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EMC Simulation Based on FDTD Analysis Considering Uncertain Inputs with
Arbitrary Probability Density
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Abstract — Stochastic Galerkin Method, a prevailing
uncertainty analysis method, has been successfully used
in today’s EMC simulation, in order to consider non-
ideality and unpredictability in actual circumstance. In
this case, the inputs of the simulation are no longer
certain values, but random variables with corresponding
probability density distribution. This paper focuses on
the arbitrary probability density cases at inputs. Two
constructing orthogonal basis methods, the Wiener Haar
expansion and the Stieltjes procedure, are generalized
into the Stochastic Galerkin Method which is combined
with the Finite Difference Time Domain analysis.
With the help of the Feature Selective Validation, the
quantitative precision comparison of the proposed
methods in different cases (the probability density
function is continuous or discontinuous) can be presented
in detail.

Index Terms — Arbitrary probability density, EMC
simulation, FDTD analysis, stochastic Galerkin method,
uncertainty analysis.

I. INTRODUCTION

Recent years, the Electromagnetic Compatibility
(EMC) community usually takes uncertainty factors of
input parameters into account, in order to improve the
reliability of calculation results. The uncertainty factors
may come from the lack of knowledge, manufacturing
tolerance and so forth. For example, the uncertainty into
material or excitation source is always considered, thanks
to the complexity of the electromagnetic environment.
Meanwhile, Finite Difference Time Domain (FDTD)
analysis is a powerful tool in EMC simulation [1, 2]. In
order to analyze this uncertainty in EMC simulation,
many uncertainty analysis methods have been generalized
into the FDTD analysis in recent studies [3-6].

Among the existing references, the Monte Carlo
Method (MCM) is conventionally widely adopted [3, 4].

Submitted On: January 19, 2017
Accepted On: December 24, 2018

In MCM, the uncertain inputs are sampled in terms
of their distributions. At each sampling point, a certain
simulation will be performed. The final uncertainty
analysis result should be the statistical characteristic of
the results in every point. As confirmed by [3] and [4],
MCM has been proved accurate, though its computational
efficiency presents quite low [4]. Anyway, thanks to its
high accuracy, the results given by the MCM are always
treated as the reference data to evaluate the precision of
other uncertainty analysis methods in the theoretical
research.

Other uncertainty analysis methods have been also
successfully used in EMC simulation based on the FDTD
analysis, such as Stochastic Collocation Method (SCM)
[5], Method of Moments (MOM) [6] and Stochastic
Galerkin Method (SGM) [7]. The SCM is based on the
multidimensional Lagrange Interpolation theorem, and
the interpolation errors might be brought in the results.
Thus, the SCM can hardly guarantee high accuracy when
the output results are not smoothness enough [5]. In
MOM, the first order Taylor series expansion is applied
to calculate the expectation and the standard deviation
of the outputs. However, the precision of MOM tends to
be very poor when the magnitude is large in inputs or
outputs [6].

The SGM is rooted in the generalized Polynomial
Chaos (gPC) expansion theory, and it has been attached
much attention to in recent research thanks to its high
accuracy, though the realization of it is quite complex
comparing with the SCM and the MOM [7, 8]. In
reference [7] and reference [8], the SGM is generalized
into the FDTD analysis to solve the stochastic Maxwell's
equations, the shielding effectiveness analysis with
uncertain materials and 3D sphere scattering calculation
with uncertain geometric parameters are presented. It is
proved that the accuracy of the SGM is highly consistent
with that of the MCM in these calculation examples.

In using the SGM, the uncertain inputs must be

1054-4887 © ACES
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modeled by the random variables with corresponding
probability density distributions. However, in previous
studies [7, 8], the distributions of the uncertain inputs are
all supposed the common distributions, like the Uniform
distributions or the Gaussian distributions. Little
attempts in considering the arbitrary probability density
distributions have been made, which greatly limits the
application of the SGM.

In this paper, the Stieltjes procedure [9, 10] and the
Wiener Haar expansion [11] are proposed to construct
the orthogonal basis of the SGM when considering
the uncertain inputs with arbitrary probability density
distributions. A published example in reference [12] is
brought in, and the uncertain inputs are assumed the
stochastic excitation source with arbitrary probability
density distributions. The uncertainty analysis results
given by the MCM are regarded as the reference data, in
order to evaluate the accuracy of two proposed methods
in different cases.

The structure of the paper is as follows: Section 1l
gives a brief introduction of the SGM mechanism
combined with FDTD analysis. Stieltjes procedure and
Wiener Haar expansion in constructing orthogonal basis
of the SGM are presented respectively in Section I1l. The
accuracy comparison by using FSV is demonstrated in
Section IV. Section V provides the conclusion part of
this paper.

Il. THE STOCHASTIC GALERKIN
METHOD MECHANISM

In the real electromagnetism environment, lack
of knowledge or manufacturing tolerance may cause
the uncertainty in material parameters or geometric
parameters in EMC simulation model, and they can be
called random events. Conventional deterministic FDTD
analysis are not capable of dealing with this uncertainty,
since that some input parameters are no longer certain
values.

The random variables can be used to model the
random events, and they are expressed as:

§O)={&(0), &), - & (0)}, 1)
where ¢ represents the random events. &(@) is a
random variable with its own distribution depending on
the random events. £(8) is the random variable vector,
and M is the number of the random variables in the
vector.

The one-dimensional Maxwell’s equations in discrete
version by using Finite Difference Time Domain Method
are given as:

Hy”*l’z(i +1/2)= H;’”Z(i +1/2) +;/(EZ”(i +1)- EZ”(i)), (2)
and
EM (i) = aE] (i) +/;’(Hy”*“2(i +1/2)- Hy”*l’z(i -1/ 2)). (3)

The direction of propagation is along the x axis. H,

ACES JOURNAL, Vol. 34, No. 8, August 2019

stands for the magnetic field intensity in y axis, and E,
is the electric field intensity in z axis. Where n presents
the Discrete-time, and i stands for the Discrete-space. « ,
£ and y are the constant values which are calculated
by material parameters, time interval and space interval.
Suppose the position of the excitation source is
i =ks, equation (3) can be arranged as:
El*(ks) = ¢E} (ks) +
B(H)™ (ks +1/2)—H™ (ks 1/ 2)).
If the excitation source is uncertain, the random
variable vector £ would be introduced into the Maxwell’s

equations and (4) can be re-written as:
E;" (ks,&) = aE;] (ks, &) +

B(H) (ks +1/2,8)—H ™ (ks -1/ 2,€)),

where E!**(ks,&) and E/ (ks, &) are the excitation source,
and they are uncertain inputs. Obviously, the output
parameters H)*2(ks+1/2,&) and H)"™"?(ks—1/2,&)

would be influenced by the uncertain inputs.

In Stochastic Galerkin Method (SGM), the
uncertainty analysis results, namely the uncertain output
parameters, should be expressed as the form of the
polynomial of the random variables at first. It can be
expressed as:

H) ™2 (ks +1/2,&) = hy(ks +1/ 2) ¢, (£) +
hy (ks +1/2)¢, (&) + h, (ks +1/ 2)p, (£),

(4)

©)

(6)

and
H;/Hllz(kS—l/ 2, CE) = ho(ks -1/ 2)(ﬂo(§) +

7
hy (ks =1/2)¢, (&) +h, (ks =1/ 2), (£), "
where @ (&) is the Chaos polynomial (or named

orthogonal basis), and it is depended on the distribution
of the random variable in (1). h(ks+1/2) and

h (ks—1/2) are the coefficients to be determined later.

When these coefficients are calculated, equation (6) and
equation (7) are the final uncertainty analysis results
what we want.

The polynomials given in (6) and (7) are orthogonal
to each other, and their relationship can be presented as:

(o 93)=(o) 5. ®)

where ¢, represents the Kronecker function and satisfies:
1(i=]

5=t (=0 ©
0 (i=])

The inner product calculation (., .) is defined as:

(2 0;)= [0 (©)p (W), (10)
where w(&) is the weight function which can be

obtained by calculating the joint probability density of
the random variables in (1).



By substituting equation (6) and (7) into equation
(5), it can be rearranged to obtain:
Er (ks, &) = aE] (ks, &)
+B(hy(ks+1/2)—hy (ks +1/2)) g, (&)
+B(h(ks+1/2)—h (ks +1/2)) (&)
+B(h,(ks+1/2)—h, (ks +1/2))p,(&).
The inner product calculation (¢, (&) , .) is performed
on the both sides of equation (11), and we can get:
(B (ks, €), 0, (£)) = (E] (ks, £), 05 (£) ) +
By (ks +1/2) —hy (ks +1/2)) (9, (), 25 (&) +
B(h(ks+1/2)~h (ks +1/2))(,(£), 9, (&) +

B(h, (ks +1/2)~h, (ks +1/2)) (9, (&), ¢ (£))-

According to the relationship in (8), (13) can be
translated into:

(Er(ks,&). ¢4(8)) = 2 (E! (ks, ), (&)
+(h (ks +1/2)—h (ks +1/2)),

where (EI™ (ks, £), ¢,(£)) and (E] (ks, &), g, (£)) are the
constants that can be calculated by (10):

(Er(ks, &), ¢1(8)) = (E] (ks,€), (&)
+B(h (ks +1/2) —h (ks +1/ 2)),

(12)

and
(E (ks £).0,(8)) = (E] (K5, £), 0, (&)
+B(h,(ks+1/2)—h,(ks+1/2)).

The process of SGM mechanism is shown from
equation (11) to equation (15). Obviously, the uncertain
equation (5) is translated into three certain equations,
namely equation (13), equation (14) and equation (15).
Admittedly, conventional Finite Difference Time Domain
Method can be carried out in these three equations, and
the coefficients h (ks+1/2) and h,(ks—1/2) in (6) and

(7) will be obtained. Sampling the random variables in
(6) and (7) in terms of their distributions, the statistical
property of the results can be easily got. For example,
expectation, variance, the worst case value, the probability
density curve and so forth. These statistical properties
can stand for the uncertainty analysis outputs.

I1. STIELTJES PROCEDURE AND WIENER
HAAR EXPANSION
This section shows the schemes in constructing
orthogonal basis ¢ (&) in (6) or (7). It is usually the first
step of the SGM. It is worth noting that the random
variables in this paper are all in arbitrary probability
density form.

A. Stieltjes procedure
The Stieltjes Procedure is firstly applied into the

BAI, ZHANG, WANG: EMC SIMULATION BASED ON FDTD ANALYSIS CONSIDERING UNCERTAIN INPUTS

uncertainty analysis of the Computational Fluid
Mechanics in reference [9]. For simplicity, only the
construction of one-dimensional orthogonal basis is
presented, since that the high-dimensional basis can be
obtained by performing the tensor products calculation.
The three-term recurrence relation in the Stieltjes
Procedure is presented as:

P.a(0)=(E-a)a(5)-be,(5), 1=01..,
() =1 ¢,()=0,
where a and b are recurrence coefficients, which can
be calculated by:

(16)

_{&n©.a)
T 0@.0) an
and

(2(8).0.)
b, = 1D b= e, (A
=D @) B=1" 5 o)

The inner product calculation is same as the equation
(10). The orthogonal basis in the Stieltjes Procedure is in

(18)

form of polynomial, and it satisfies the relationship in (8).

If the order of the polynomial is higher, the results
will be more accurate, but the simulation time will
be longer. Furthermore, it is worth mentioned that
the number of high-dimensional orthogonal basis is
exponential times of that of one-dimensional orthogonal
basis. Thus, although the Stieltjes Procedure can be
performed infinitely, the order is usually less than 10.

B. Wiener Haar expansion
The Wiener Haar Expansion is another orthogonal
basis constructing method. Similarly, the high-
dimensional basis is tensor products of one-dimensional
basis, so only one-dimensional case is presented.
Considering the one-dimensional random variable
&, the relationship between probability density function

pdf (£) and distribution function p(&) are shown as:
dp©) _,

pdf (&) =1 d&
0 V& e (A B)
where A and B are the boundary of random variable.
The distribution function p(&) satisfies the character

as:

VEe (A, B)’ )

y=p(&)el01]-&=p(y) e[AB]. (20)
It indicates that the distribution function value is one-to-
one correspondence with the interval [0, 1].

The Haar wavelet function can implement the
orthogonal decomposition in the interval [0, 1]. Using
this particular character, the orthogonal basis can be
obtained as:

o 211

X (& e[AB])= XoZo,o(p(f)) +ZZ xj,k(//j,k(p(é))l (21)

j=0 k=0
where X (& €[A,B]) represents the output parameters
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under solved, like HJ)*(ks+1/2,&) in (5). %, (P($))

is the orthogonal basis which is structured by Haar
Father Wavelet, and ,,(p($)) is the orthogonal

basis given by Haar Mother Wavelet. X, and X, are

coefficients like h(ks+1/2) in (6), and they can be
calculated by

Xo = [ X (&) 200(P(£)d(&)
=[_ X(&)pdf (£)d¢,

[AB]
and

X, = L X (€W, (pE)dp(@)
= [, X (€W, () ().

It is obviously seen that the orthogonal basis of the
Wiener Haar Expansion is in the form of Haar Wavelet
function. Thus, the convergence rate of the Wiener Haar
Expansion must be different from that of the Stieltjes
Procedure in different cases. For example, if the PDF
function of the random variable is smooth enough, and
the Stieltjes Procedure will perform better due to its
polynomial decomposition. On the contrary, the Wiener
Haar Expansion is more suitable for the PDF function
with some transient peaks or some gaps, thanks to the
nature of the Haar Wavelet function.

In next section, the performance of Stieltjes
Procedure and Wiener Haar Expansion using in SGM is
presented, taking the MCM results as the reference data.

1V. ACCURACY COMPARISON BY USING

FEATURE SELECTIVE VALIDATION

In this example, a Gaussian pulse with uncertain
parameters is introduced into a one dimensional problem
space. The example comes from a calculation model in
reference [12], and it is electromagnetic wave propagation
problem.

Only one dielectric slab is contained in the model,
and Fig. 1 represents the geometry construction of this
model. The length of the space is 1m, and the location
of the slab is from x=0.1m to x=0.2m. The relative
permittivity of the slab is supposed &, =4, and other

spaces are supposed full of vacuum. The output result
is the absolute value of the frequency response of the
electric field component, which is recorded at x=05m.
A Gaussian pulse is simulated from the point x=0.7m
in the space, and it is a probably 1 V/m uncertain input
excitation. The input excitation should be
—(t, —t)?
E, (=070 = By orp(— )
where E;(&) is the maximum amplitude of the pulse,
and it is an uncertain input parameter which is modeled
by the random variable & . t, stands for the onset time

(24)
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delay of the pulse, t represents the time and g is the
width of the pulse at half its maximum height.

0.Im
>
&, =4
[——1’ x=05m x=0.7m
X £
x=0m L Recorded point S(;[ﬁ‘cc x=1m
0.1m 03m 0.2m

Fig. 1. The model of one dimensional problem space
[12].

In this simulation, the Finite Difference Time
Domain (FDTD) method is proposed to calculate the
outputs. The FDTD cell size is Ax=0.005m, and the
FDTD time step is supposed At=8.33ps. Meanwhile,

t, = 40At and the duration is S = 5+2At . This excitation

is a broad Gaussian pulse, and it guarantees that the
electric field can be calculated over a broad frequency
range. The time response of the electric field is recorded
from 0 to 41.67ns.

The uncertain input E; (&) satisfies:

E (&) =(0.5+0.5)xE,,, (25)
where E, is the electric field intensity, E, =1V/Im. &

is the random variable with arbitrary probability density,
which will be given in different cases in the following
texts.

A. Continuous probability density case
In this case, the continuous PDF of the random
variable is given as:
1. 37 1
=sin(—&)+(1-=—), 0<£&<1
P, () = | 35§+ A3 0s8st

0, others

We call it continuous thanks to the values are
concentrated near only one place, 0.5. Figure 2 presents
this continuous PDF curve.

Stochastic Galerkin Method with Stieltjes procedure
(SP-SGM), Stochastic Galerkin Method with Wiener
Haar expansion (WHE-SGM) and Monte Carlo Method
(MCM) are proposed to perform the uncertainty analysis.
The results given by MCM are regarded as the reference
data to test the precision of the other two methods. 20000
times samplings of MCM have been done in order to
make sure that the MCM has reached the convergence.

Figure 3 shows the expectation of uncertainty
analysis results, and Fig. 4 gives the standard deviation
information.

Feature Selective Validation (FSV) has proved its
successful applications in credibility evaluation of CEM
results [13, 14]. By using FSV, the difference between
the simulation results under evaluated and the reference
data can be quantified. Total-GDM, a key value in FSV,

(26)



reflects the quantitative description of validity evaluation.
Total-GDM value is lower, and it means that the
simulation results perform better. Table 1 presents a
one-to-one correspondence between Total-GDM and the
qualitative description. More details about the FSV can
be found in [14].
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Fig. 2. Continuous PDF curve.
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Fig. 3. The expectation results in continuous probability
density case.
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Fig. 4. The standard deviation results in continuous
probability density case.

The Total-GDM results of SP-SGM and WHE-
SGM in Fig. 3 and Fig. 4 are given in Table 2. It is shown
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that all the values in Table 2 are less than 0.1. Thus,
it indicates that all the results are “Excellent” match
with the results given by MCM according to Table 1.
Furthermore, it indicates the conclusion that both SP-
SGM and WHE-SGM can be as good as the MCM in this
continuous probability density case.

Table 1: Relationship between Total-GDM and
Quantitative Description [14]

Total-GDM FSV Interpretation
(Quantitative) (Qualitative)
Less than 0.1 Excellent
Between 0.1 and 0.2 Very Good
Between 0.2 and 0.4 Good
Between 0.4 and 0.8 Fair
Between 0.8 and 1.6 Poor
Greater than 1.6 Very Poor

Table 2: The Total-GDM values in continuous probability
density case

SP-SGM WHE-SGM
Expectation 3.32x10° 6.47x10™
Standard deviation 0.026 0.027

The simulation time of the MCM is 1.35 hours,
SP-SGM takes 1.14 minutes, and WHE-SGM uses
2.32 minutes. Thus, it is proved that the computational
efficiencies of SP-SGM and WHE-SGM are much
higher than that of MCM. The reason is that MCM needs
thousands of times of the FDTD analysis, in order to
make sure the calculation is converged. In this example,
2000 times are used. SP-SGM or WHE-SGM only needs
one augmented FDTD analysis, so the simulation time is
the several times of one common FDTD analysis. Thus,
SP-SGM and WHE-SGM are in high computational
efficiency.

Furthermore, the computational efficiency of SP-
SGM is a little better than WHE-SGM. The reason is that
SP-SGM needs less chaotic polynomials than WHE-
SGM. Thus, the augmented FDTD analysis of the SP-
SGM is easier than that of the WHE-SGM.

B. Discontinuous probability density case
The discontinuous PDF of the random variable
should be:

PDF, () =
4, 1<£<1.2
0.075x[-2(& -17)* +8(£—17) - 6], 18<£<20. (27)
0, others

In contrast to the continuous case in (26), the values
are dispersed in two places. One is near the value 1.1,
and the other is near the value 19. Figure 5 shows the
discontinuous PDF curve. In some cases, if a material
parameter is uncertain due to the lack of knowledge and
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it has two kinds of inherent discrete states, the random
variable can be presented by such discontinuous PDF
since that we cannot judge which state it should be. Thus,
the discontinuous PDF form is also frequently appeared
in uncertainty analysis.

4f

Probability density
N w

=
T

0 5 10 15 20
Value

Fig. 5. The discontinuous PDF curve.

In the similar way, MCM, SP-SGM and WHE-SGM
are undertaken for the uncertainty analysis. Fig. 6 and
Fig. 7 give the expectation results and the standard
deviation results in discontinuous probability density
case.
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Fig. 6. The expectation results in discontinuous
probability density case.
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Fig. 7. The standard deviation results in discontinuous
probability density case.
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The Total-GDM results in Fig. 6 and Fig. 7 are
presented in Table 3. As to the expectation results,
the SP-SGM receives a “Very good” evaluation and
the WHE-SGM has an “Excellent” result. It indicates
that the WHE-SGM does better than the SP-SGM in
expectation results in discontinuous probability density
case. Considering the standard deviation results, the SP-
SGM is an “Excellent” match with the MCM. On the
contrary, the WHE-SGM only presents a “Very good”
match. Consequently, the SP-SGM does better in standard
deviation calculation.

It is worth noting that the expectation is the basic
results of the uncertainty analysis results. Admittedly,
the importance of the expectation results outweighs
that of the standard deviation results. As a whole, the
WHE-SGM performs better in discontinuous probability
density case.

No matter SP-SGM or WHE-SGM, the simulation
results in the discontinuous case are not good enough
as that in the continuous case. The reason is that the
discontinuous PDF leads the more complex uncertainty
analysis outputs, so the truncation of the chaotic
polynomials may cause a little bigger error.

Table 3: The Total-GDM values in discontinuous
probability density case

SP-SGM WHE-SGM
Expectation 0.122 0.027
Standard deviation 0.069 0.112

The simulation time of the MCM is 1.59 hours, SP-
SGM takes 1.47 minutes, and WHE-SGM uses 2.89
minutes. Thus, it would give the same conclusion with
the continuous case in computational efficiency.

V. CONCLUSION

In this paper, two constructing orthogonal basis
methods, Stieltjes procedure and Wiener Haar expansion,
are applied into the Stochastic Galerkin Method (SGM)
in order to perform uncertainty analysis with the
arbitrary probability density inputs in Electromagnetic
Compatibility simulation based on the Finite Difference
Time Domain analysis. By simulating an electromagnetic
wave propagation example with stochastic excitation
source included, the following conclusions can be
obtained according to the Feature Selective Validation
results.

Firstly, when Probability Density Function is
continuous, both Stochastic Galerkin Method with
Stieltjes procedure (SP-SGM) and Stochastic Galerkin
Method with Wiener Haar expansion (WHE-SGM) can
provide the accurate results like the Monte Carlo Method
(MCM). But the computational efficiency of the SP-
SGM is a little better than that of the WHE-SGM.

Secondly, when Probability Density Function is
discontinuous, the WHE-SGM does better in calculating
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the expectation of the uncertainty analysis results, and
the SP-SGM can give more accurate in the variance
information. To sum up, the WHE-SGM performs better
than the SP-SGM in this case.

Finally, it also indicates that the computational

efficiencies of both SP-SGM and WHE-SGM are much

better than that of MCM.
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Abstract — In the framework of the multilevel fast
multipole algorithm (MLFMA), effective construction
of the sparse approximate inverse preconditioner (SAIP)
for the volume-surface integral equation (VSIE) is
discussed. A high quality SAIP for the entire VSIE
matrix is constructed by using the sub-matrix of the near-
field interactions between the surface basis and testing
functions arising from the surface integral equation
alone. In addition, a simple sparse pattern selection
scheme based on the geometrical information of nearby
basis functions and octree regrouping strategy is
proposed to enhance the efficiency of the SAIP. In
contrast to the existing sparse pattern selection schemes,
the proposed scheme utilizes the near-field matrix in
the MLFMA more effectively with only one tuning
parameter. Numerical results indicate that with the
proposed scheme, both the memory usage and setup time
for constructing an effective SAIP are significantly
reduced without compromising the efficiency and
robustness.

Index Terms — Method of moments (MoM), multilevel
fast multipole algorithm (MLFMA), sparse approximate
inverse preconditioner, volume-surface integral equation
(VSIE).

I. INTRODUCTION

The volume-surface integral equation (VSIE) [1],
in conjunction of the method of moments (MoM) [2],
is one of the most attractive methods to calculate
the electromagnetic (EM) scattering or radiation of
composite objects involving both conductors and
inhomogeneous dielectrics. For the objects with
electrically large sizes, fast EM algorithms, such as the
multilevel fast multipole algorithm (MLFMA) [1], are
highly required to alleviate the computation overhead.
Based on the addition theorem of Green’s function and
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diagonalization of the translation operator, the MLFMA
drastically reduces the overall computational complexity
from the order of O(N?) to O(NlogN), where N is the
number of unknowns [1]. During the implementation of
MLFMA, the MoM matrix equation is decomposed into
two parts as:

Znearl + Zfarl = V! (1)
where Znear and Zsr are the NxN impedance matrices
representing the reactions between the basis and testing
functions in the neighbor and far leaf boxes at the finest
level of the MLFMA, and | and V are the Nx1 vectors of
unknown expansion coefficients and generalized voltage,
respectively. Besides, only the near-field matrix Znear
is explicitly computed and stored, while the far-field
interaction part Zz.| is implicitly computed through three
processes: aggregation, translation, and disaggregation.

Although the VSIE is a second-kind integral
equation, it is still necessary to apply the preconditioning
techniques to speed up the convergence during the
iterative solution of the matrix equation. Among related
preconditioning techniques, the sparse approximate
inverse preconditioner (SAIP), which is based on directly
approximating the inverse of the preconditioning matrix,
has been proved that it is not only one of the most
effective preconditioners for the surface integral
equation (SIE), but also easy for parallelization [3-6]. In
the MLFMA, utilizing Znear can provide effective SAIP.
Further, benefited from the octree structure of the
MLFMA, the setup time for constructing the SAIP can
be decreased substantially [3, 4]. But meanwhile, the
construction process of SAIP is very sensitive to the
average number of unknowns belonging to the leaf
boxes. Especially for the VSIE, because of the three-
dimensional volumetric unknowns which are densely
distributed in each non-empty leaf box, the setup time for
SAIP will be very long. To reduce the time cost, several
sparse pattern selection schemes have been reported. In

1054-4887 © ACES



[5], performances of various selection schemes based on
algebraic or geometrical information were compared
through a large set of numerical experiments, while it
was concluded that the ones based on geometrical
information of the basis function distributions are more
effective.

However, most of the existing discussions on the
SAIP were focused on its applicability in the solution of
SIE, while its effectiveness on the VSIE is rarely studied.
In this paper, how to effectively use the SAIP in the
VSIE solution is investigated. Based on the geometrical
information of nearby basis functions and octree
regrouping strategy, an effective sparse pattern selection
scheme for the SAIP construction is proposed.
Compared to the conventional selection schemes, the
proposed one is more effective and robust with only one
tuning parameter.

I1. SAIP FOR THE VSIE

In the MLFMA, only the near-interaction matrix
Znear Ne€ds to be stored explicitly [1]. If we use Z to
denote the preconditioning matrix extracted from Zyear to
construct the SAIP, then the preconditioner M can be
constructed as an approximate inverse matrix of Z.
During the construction process, the Frobenius norm
minimization is usually chosen since it can decouple the

entire constrained minimization problem into N
independent linear least-square problems as:
N
. =, 2 . — 2
min||E - ZM | =min)_[e, - Zm,||_, )
k=1

which can be parallelized naturally. In (2), E is the
identity matrix, and ex and my are the kth column of the
matrices E and M, respectively, while M is constrained
by a certain sparse pattern. Since Z is sparse, as done in
[3, 4], let J denote the column structure of nonzero
elements of Z, and | denote the set of row indices of the
nonzero entries of Z(:, J), the least-square problems in
(2) are reduced into:

min i”ek _Z_mk”i =
k;l , 3
min e, (1)-Z(1.9)m, (9)f

which can be efficiently solved by QR factorization, and
the computational complexity is determined by the size
of Z(I, J). The QR factorization requires asymptotically
n,n3 flops, where n; and n; are the number of elements
in the sets I and J, respectively. If we assume that each
row of Z has n nonzero entries in average, both n; and
n are the order of O(n). Thus, the total computational
complexity of (3) is in the order of O(Nn®). In the context
of the MLFMA, when we choose Z=Z,,,,, it is found that
any testing function in a given leaf box will couple with
the same set of basis functions located in the boxes of the
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near-interaction list of the given box [3]. By using this
fact, the computation overhead of (3) can be reduced to
O(Ngn®), where Ny is the number of non-empty leaf
boxes. Therefore, the setup time for constructing M can
be reduced several-fold without any loss of accuracy. On
the other hand, O(Ngn®) indicates that the SAIP setup
time is very sensitive to n. In other words, when n is
relatively large, the setup time for constructing M will
be very high. To alleviate this problem, after careful
investigation, we find that there are two possible ways to
reduce the SAIP computational effort for the VSIE.

The first way is to choose appropriate sub-matrices
to construct the SAIP. In the VSIE, particularly, Znear can
be represented by four sparse sub-matrices as:

7. :E i} , @

VS W

where Zss, Zsv, Zvs and Zyy denote the self/mutual
interactions between two types of basis/testing functions
in the near-interaction lists (S stands for surface
functions and V for the volume ones). Because the SAIP
can be applied to any square matrix, there are three
optional schemes to construct the preconditioner M:
using Zss only (denoted by SS), using both Zss and Zyy
(SS&VV), and using the entire Znear matrix (Tot). For
composite objects involving open conducting structures,
Zss stands for the interactions between surface basis and
testing functions used in the electric field integral
equation (EFIE) which is a first-kind of integral
equation, while Zyy represents the interactions between
volume basis and testing functions for the volume
integral equation (VIE) that is second-kind. In general,
Zyv is more well-conditioned than Zss. Therefore, it is
reasonable that applying SAIP to the sub-matrix Zss
alone to improve the condition number of Zss might be
enough for the calculation of composite objects. Besides,
compared with SS&VV and Tot, SS is apparently the most
memory- and time-efficient for constructing M. During
the implementation of SS, M is considered as:

M :[Mss } 5)
1

where Mss is an approximate inverse matrix of Zss as:
Z M, ~E, (6)
which can be efficiently solved using (2).

On the other hand, the objects including thin
conducting structures are needed to be discretized by fine
meshes. If Z is still chosen the same as Znear, Z Will be
very dense, resulting in a large n as well as high
computation complexity of (3). In order to overcome this
difficulty, it is necessary to select effectual sparse pattern
from Znear, i.e., extracting a sparser matrix Z from Znear
by pre-filtering technique before constructing M, which
can evidently reduce the value of n. There are two main
types of schemes reported to achieve this goal: 1)
dropping entries with tiny magnitudes in Znear as done in
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[6]. However, improper setting of the dropping threshold
may even degrade the convergence [5]. Thus, this
scheme is not widely used; 2) dropping entries based
on the geometrical information during the MLFMA
implementation as done in [3]. Specifically, for a given
testing function X located in the leaf box G, when drops
the entries from Znear to reduce into Z(/, J), two filtrations
are used to determine the sparse pattern for Xy as:

J={jlies dist(G, )<z}

I={ilies dist(i,d)<z,} '
where S is the sparse pattern of Znear, dist(G, j) is the
distance between the center of box G containing X and
that of the jth basis function, and dist(i, J) is the distance
between the center of the ith testing function and that of
boxes containing all basis functions whose index jeJ.
Thus, in order to select Z(Z, J) for Xk, we need to draw a
sphere of radius 71 with the same center of box G. The
jth column entries Z(:, j) will be kept in Z(:,J) if the
jth basis function is exactly contained in this sphere,
otherwise Z(:, j) will be dropped. The similar procedure
is also executed in the second filtration for row indices
selection with a sphere of radius z.. However, during the
first filtration, if the testing function Xy and two basis
functions X X, reside in the MLFMA leaf boxes (black

line) as shown in Fig. 1, then the distance between Xy and
X, will be smaller than 71, which leads to a strong mutual

interaction Zyj,. But according to the selection criterion
), Zyj, is dropped. In contrast, although the distance

between Xy and Xj; is larger than 71, the resultant matrix
entry Z,; that represents a relatively weak interaction

between Xy and .X; , is still included in Z(Z, J). The similar

()

situation will occur once again during the second filtration.

Therefore, this two-parameter filtration scheme may not
utilize the nonzero entries reasonably and effectively in
some situations.

I R
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I
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MLFMA-tree

Fig. 1. Locations of Xy, Xj], ij and Xj3 in the MLFMA
leaf boxes and in the SAl-tree.
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To solve this problem, we build a new octree
structure with smaller box size Rsai compared with the
MLFMA leaf box, called SAI-tree which is shown in Fig.
1 (blue dashed line), to construct the SAIP. That is to say,
we can use the SAl-tree to control the sparse pattern and
to generate the matrix Z, i.e., Z is considered as the near-
field matrix in the SAl-tree. As shown in Fig. 1, in the
SAl-tree, box By that contains X1 is one of the neighbor
boxes of box B, containing Xy, so the entry Z
representing strong interaction between Xy and Xjwill be
included in Z. On the contrary, since Xj; does not belong
to any neighbor box of By, Zi;» that denotes the relatively
weak interaction between X and Xj> will be naturally
filtered. On the other hand, however, in some extreme
situations as shown in Fig. 1, in the SAl-tree the box By
that contains X, is one of the neighbor boxes of the box

B containing X, while in the original octree of the
MLFMA, the entry Zyj, representing the interaction
between X and X, is not included in the near-field
matrix Znear. In this situation, Zyy, needs to be calculated
individually during generating Z.

The proposed sparse pattern selection scheme
exhibits two advantages over the conventional ones:

(1) Effective utilization of the nonzero entries. The
proposed scheme can more “accurately” Kkeep the
generally strong interactions and drop the weak ones
based on the geometrical information provided by the
SAl-tree.

(2) Easy implementation. It has only one tuning
parameter Rsai, While Rsai can be chosen to be smaller
than the size of the leaf box in the MLFMA. If we still
use Ng and n to denote the number of non-empty boxes
in the SAl-tree and the average number of nonzero
entries in each row of Z respectively, a smaller Rsa; leads
to a larger Ng and a smaller n, which will further decrease
the SAIP setup time since the computational complexity
is about O(Ngn®) as mentioned previously. Furthermore,
the value of Rsai can be automatically fixed according to
the average discretized mesh size, which will greatly
simplify the process of tuning an appropriate parameter
for a certain problem. It is worth mentioning that the
proposed scheme needs additional time to construct the
SAl-tree, but due to the utilization of the fast binary-tree
searching algorithm, the additional time is very limited.

Applying the proposed sparse pattern selection
scheme based on the SAl-tree, the implementation
process of constructing M is described as follows:

(1) Determine the value of Rsai according to the
average discretized mesh size. According to a large
amount of numerical experiments, Rsai is recommended
to be two times of the average mesh size.

(2) Build the SAl-tree in which the box size is set to
Rsal.

(3) Select the sparse pattern according to the index
of near-field interactions in the SAl-tree.



(4) Generate Zaccording to the selected sparse
pattern. If the entry in Z also belongs to Zear, then extract
it from Znear directly; if not, calculate it individually.

(5) Construct the preconditioner M according to (2).

Moreover, for the objects with extremely large
electrical size, Znear becomes insufficient to approximate
the entire impedance matrix, due to the inefficiency of
the preconditioners constructed from Znear. One way to
alleviate this problem is to use the far-field interactions
during constructing the preconditioners [7, 8]. In these
approaches, a cheaper MLFMA version called approximate
MLFMA is used as the preconditioner to iteratively solve
a closely related matrix equation. In the practical process,
a secondary preconditioner is needed to accelerate the
iterative solving process of the closely related matrix
equation. The SAIP applying the proposed sparse pattern
selection scheme can be adopted as this secondary
preconditioner.

IHl. NUMERICAL RESULTS

To validate the effectiveness of the proposed SAIP,
EM radiation and scattering of composite dielectric-
conductor objects are calculated. In our implementation,
the RWG [9] and SWG [10] basis functions are used
to model the equivalent surface and volume currents,
respectively. The restarted GMRES with a restart
parameter m is used as the iterative solver to reach
convergence with relative residual error of 0.001 [11-13].
Zero vector is taken as initial approximate solution for
all calculations. The leaf box size of the MLFMA is
0.250 (L is the wavelength in the free space). All
computations are in single precision and carried out on a
workstation with 2.4 GHz CPU and 384 GB RAM.

A. Microstrip patch antenna array

The first example is the EM radiation of an antenna
array composed of 64 microstrip patch antennas at the
operating frequency of 14.5 GHz as shown in Fig. 2. All
antennas are excited with the same magnitude and phase.
The relative dielectric constant is &=2.2-j0.00198. The
average mesh size is about 0.08), and the number of
discrete triangles, tetrahedrons and unknowns are 9,375,
21,062 and 63,340, respectively, while the octree of
MLFMA has 6 levels. The restart parameter of GMRES
is m=100. To compare with other kinds of preconditioners
limited to sequential implementation such as the
preconditioners based on incomplete Lower-Upper
decomposition (ILU), the whole computation process is
executed serially. Table 1 shows the performance details
of three schemes to construct SAIP from selecting
different sub-matrices (SS, SS&VV, and Tot) with various
tuning parameter Rsai. This table contains the memory
usage of preconditioner (PC-Mem), the additional time
to construct the SAI-tree and generate Z (Tadq), the setup
time (Tec) to construct preconditioner, the average
number of basis functions in the non-empty boxes of the
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SAl-tree (A), and so on. Besides, none means that the
computation is executed without any preconditioner.
From Table 1, the first finding is that the three different
sub-matrix selection schemes need similar number of
iterations to reach the target convergence, while the
memory usage and setup time for constructing M by SS
are much less than those by SS&VV and Tot. Therefore,
for the VSIE solution, using sub-matrix Zss alone to
construct the SAIP might be an appropriate choice.

Fig. 2. The structure of antenna array composed of 64
microstrip patch antennas at the operating frequency of
14.5 GHz.

The second finding is that large value of Rsa) does
not always mean less total computation time, while the
proper value of Rsa; is found to be about twice as large
as the average mesh size. The reason is that enlarging
the value of Rsai will make Z denser, which would
dramatically increase the setup time and the memory
requirement for constructing preconditioner M. This
phenomenon also demonstrates that enlarging the number
of nonzero entries in matrix Z does not always lead to
better preconditioning performance. It is worth to point
out that some effective preconditioners can be constructed
based on the Schur complement, which are specially
designed to work in conjunction with the VSIE [14].
However, this kind of preconditioners usually needs to
calculate both of the inverse of Zss and Zyy directly or
approximately. Thus, it is concluded that the memory
usage and setup time of this kind of preconditioners
based on the Schur complement are on the same level as
SAIP by SS&VV, which are evidently larger than SS. For
this reason, this kind of preconditioners does not be
adopted in this paper.

From the above, we may draw the conclusion that in
the VSIE solution, using Zss alone to construct the SAIP
is an appropriate choice. However, whether this SS
scheme can be successfully utilized to other kinds of
preconditioners is worthwhile of further research. Table
2 lists the detailed computation information with various
kinds of preconditioners on the first example, such as the
SAIP with two tuning parameters 71, 7> reported in [3]
(denoted by conv), the ILUT preconditioner [15] which
is based on a dual dropping rule with two tuning
parameters: the fill-in p and the threshold drop tolerance
7, and the variant approach of ILUT, called SuperLU
[16], with three tuning parameters: the fill-ratio y, the
threshold drop tolerance 7, and the pivoting threshold #.
Besides, only Zss is used to construct the preconditioner.
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For conv, the parameter setting refers to [3]. Since the
leaf box size of the MLFMA is 0.25), then,
0.1254<7,7,<054 and 7, <7, €)]
For the ILU type preconditioners, as stated in [15,
16], a more effective and robust ILUT or SuperLU
preconditioner can be constructed with larger p or y. In
fact, when the preconditioning matrix is denser, it is
indeed necessary to set a relatively larger p or y in
the ILUT factorization to achieve better performance.
For this calculated antenna array, since it contains thin
structures, dense meshes are needed to model the details,
due to a relatively dense Znear as well as Zss. As a
consequence, p or y needs to be set to a large value. From
Table 2, it is obtained that when p<200 or y<10, the
ILUT or SuperLU preconditioner will be failure. Another
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the convergence rate during the iterative solution, which
is in accordance with [15]. Comparing Table 1 with
Table 2, it is found that different kinds of preconditioners
improve the convergence in varying degrees. Comparing
the proposed scheme (prop, i.e., SAIP with SS scheme)
with conv, when an appropriate combination of tuning
parameters is used (Rsai=0.15)\ versus 71, 72=0.25, 0.5),
prop shows less iterations (169 versus 384) and less total
time (188s versus 323s) to achieve convergence with
similar memory usage (1141.8 MB versus 1139.4 MB).
Compared with ILUT and SuperLU, prop shows the
similar robustness, while the memory usage of SAIP is
several times less than that of ILUT or SuperLU. More
importantly, prop can be naturally parallelized, while the
ILU-type preconditioners are limited to sequential

finding is that the value of ¢ does not affect very much ~ implementation.

Table 1: Detailed performance of different sub-matrix selection schemes and Rsa; on the proposed SAIP

SAIP | Rsa | £ | Tuu | Toc Solution . Total | Pe2K
Style o) Mem s) ) n Ng A Time (s) Iterations Time (s) Memory
(MB) (MB)
None — 549 897 592 1130.6
0.125 8.26 0.72 | 597 | 82.2 | 2228 5.9 521 757 583 1138.4
0y 0.15 11.70 | 1.54 | 19.2 | 116.4 | 1479 8.9 125 169 188 1141.8
0.2 19.74 | 1.73 | 29.8 | 196.7 | 987 13.3 116 151 190 1198.3
0.25 | 29.54 | 0.17 | 81.5 | 2943 | 732 18.0 101 129 232 1209.4
0.125 | 113.8 | 0.73 306 | 252.5| 2939 | 21.6 556 753 914 1294.9
SS&VV 0.15 1743 | 3.28 811 |361.0 | 2048 | 30.9 134 163 987 1356.7
0.2 299.5 | 4.21 | 2421 | 619.5 | 1152 | 55.0 132 149 2599 1478.1
0.25 | 447.7 | 0.23 | 5342 | 926.4 | 785 80.7 119 127 5501 1627.2
0.125 | 183.3 | 0.74 816 | 379.3 | 2939 | 21.6 581 739 1442 1364.3
Tot 0.15 | 261.5 | 3.92 | 1641 | 541.1 | 2048 | 30.9 136 161 1823 1443.9
0.2 447.9 | 4.56 | 4713 | 923.5 | 1152 | 55.0 137 144 4892 1629.1
0.25 | 699.5 | 0.24 | 10852 |1385.5| 785 80.7 124 121 11021 1881.3
Table 2: Detailed performance of different types of preconditioners

Preconditioner Parameters PC-Mem Trc (s) Solution | Iteration Total Ml:ril)(ry
Style (MB) Time (s) S Time (s) (MB)
02,04 6.94 5.01 * 1137.7

Conv 0.2,0.5 7.92 8.66 358 512 402 1138.6

(11, ) 0.25,0.5 8.79 9.33 269 384 323 1139.4
0.3,0.5 19.8 19.6 262 355 325 1150.3

150, 0.001 38.6 8.2 * 1213.9

ILUT 200, 0.001 42.7 10.4 146 178 201 1218.1

®, 1) 200, 0.0001 62.8 30.3 133 165 206 1237.6
300, 0.001 46.6 11.9 139 172 194 1220.2

5,0.001, 0.5 76.1 24.3 * 1223.1

SuperLU 10, 0.001, 0.5 108.8 32.2 138 140 216 1254.0
7 n) 10, 0.0001, 1.0 149.0 42.9 140 135 239 1293.5
15,0.001, 0.5 113.2 38.1 125 127 208 1259.8

Note: “*” refers to no convergence after 1000 iterations.

As mentioned before in this paper, the restarted
GMRES, which is a famous Krylov subspace method for

solving nonsymmetric linear systems, is used as the
iterative solver. However, as argued in [11-13], the



restart parameter m will deeply influence the convergence
of this Krylov subspace method. In order to investigate
how m influences the performance, Fig. 3 shows the
iterations for four preconditioners (prop, conv, ILUT,
SuperLU) with respect to different values of m, while the
relative residual error is fixed to 0.001. It is observed that
when m is too small, none of the four preconditioners
can prompt GMRES to reach the target convergence
after 1000 iterations. Along with the increase of m, the
iterations will sharply decrease, and be followed by a
steady decrease. When m is about 30, prop can achieve
the convergence after hundreds of iterations, while for
other three preconditioners, conv, ILUT and SuperLU
can achieve the same convergence when m is about 60,
50 and 40, respectively. This illustrates that compared
with conv, ILUT and SuperLU, prop is cooperated with
a relatively small m, which has a low memory usage
during using the GMRES to solve the matrix equation.
Another finding is that when the value of m is suitably
fixed, the convergence rate of prop is on the same level
as that of the ILU type of preconditioners, while the
conv is relatively slow. Therefore, Fig. 3 illustrates the
robustness and efficiency of the proposed approach.

1000

90 —a—prop (R, =0.15)

800 |- —o—conv (0.25, 0.5)

—o— ILUT (200, 0.001)

700
600

500 |

e
400 |- \

— ]

200 4

Iterations

100 |

0 1 1 1 1 1 1 1 1 1 1 1
0 20 40 60 80 100 120 140 160 180 200 220

m

Fig. 3. Number of iterations for different preconditioners
with respect to different restart parameter m in the
GMRES.

B. Dielectric coated conducting sphere

The second example is the calculation of bistatic
radar cross section (RCS) of a dielectric coated
conducting sphere. The radius of the conducting sphere
is 10X, and the thickness of the coating dielectric is
0.05\. The average mesh size is about 0.085A and the
total number of triangles, tetrahedrons and unknowns are
168,650, 934,261 and 2,447,096, respectively. Rsa; is set
to 0.171 which is about twice as large as the average
mesh size. In this calculation, the OpenMP parallel
technology is adopted and 16 cores are involved [17]. To
verify the performance of SAIP, combined field integral
equation (CFIE) or EFIE is adopted to disperse the
conducting sphere part, which can be combined with
VIE to yield the CFIE-VIE or EFIE-VIE type of VSIE.
Since the matrix equation generated by EFIE-VIE is very
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ill-conditioned, the restart parameter of GMRES is set to
m=200 for EFIE-VIE which is a relatively large value,
while m=30 when CFIE-VIE is adopted. Figures 4 and 5
show the number of iterations and solution time required
by the SAIP with the three selection schemes (SS,
SS&VV and Tot) to achieve convergence when the relative
dielectric constant & varies from 1.5 to 9.0, respectively.
Besides, when EFIE-VIE is adopted without any
preconditioner (none), =9 cannot achieve convergence
after 5000 iterations. From Fig. 4 and Fig. 5, it is clear
that the proposed SAIP can accelerate the convergence
rate obviously, while SS, SS&VV and Tot need comparable
iterations and solution time to reach the target
convergence. Table 3 lists the computational details in
terms of the memory usage of preconditioner (PC-Mem),
the additional time to construct the SAl-tree and generate
Z (Tada), the SAIP setup time (Tpc), and the peak memory
usage with m=200 for none, SS, SS&VV and Tot. It is
found that the memory usage and setup time for SAIP by
SS&VV or Tot are several times as those by SS, which
illustrates the efficiency of SS. When =2, the numerical
results are shown in Fig. 6, while the exact result from
Mie series is also given as a reference. It is observed
that these numerical results have very high calculating
precision.

2800

—=— CFIE-VIE none
—e— CFIE-VIE SS
2400 - —&— CFIE-VIE SS&VV
—v— CFIE-VIE Tot

2000 |- —0— EFIE-VIE none
—O— EFIE-VIE SS
—— EFIE-VIE SS&WV
1600 | —v— EFIE-VIE Tot

1200

Iterations

relative dielectric constant (¢)

Fig. 4. Number of iterations for various &, sub-matrix
selection schemes, and VSIE formulations.

140 | —® CFIE-VIE none 4
—e— CFIE-VIE SS
—&— CFIE-VIE SS&VV

120 L —¥— CFIE-VIE Tot

—— EFIE-VIE none

100  —O—EFIE-VIE SS 4
—~— EFIE-VIE SS&VV

—— EFIE-VIE Tot

Solution time (min)

relative dielectric constant (g )

Fig. 5. Solution time for various &, sub-matrix selection
schemes, and VSIE formulations.
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« EFIE-VIE

50
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30
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Fig. 6. Bistatic RCS of a conducting sphere of radius
10X coated with 0.05) thick homogeneous dielectric
(er=2) at =0 plane, illuminated by a #-polarized plane
wave with the incident angle 6'=0, ¢'=0.

Table 3: Details of different selection schemes from
the proposed SAIP with Rsa=0.17A and m=200 for a
conducting sphere of radius 10A coated with 0.05X thick
homogeneous dielectric

SAIP PC- Todd Trc Peak
Scheme Mem (s) ) Memory

(MB) (GB)

None — 70.2

SS 210.1 1.3 11.8 70.4

SS&VV | 15808.7 19.8 9986.6 86.0

Tot 19387.2 23.2 14086.8 89.5

C. Dielectric coated conducting almond

The monostatic RCS of a coated PEC almond is
calculated, the geometric equation of which is listed in
[18], while its position in the Cartesian coordinate is
shown in Fig. 7. The length of the PEC almond is 104,
the coating thickness is 0.05), and the relative dielectric
constant of the coated dielectric is &=3.38-j0.0338.
After discretization, the average mesh size is about
0.075/ and the total number of triangles, tetrahedrons
and unknowns are 30,880, 93,085 and 263,508,
respectively. The coated almond is illuminated by a 6-
or p-polarization plane wave, and the observation range
is #=90° and 0<p<90° with 91 observation points.
During the calculation, Rsa is set to 0.154, the OpenMP
parallelization with 16 cores is applied, and CFIE-VIE
or EFIE-VIE is adopted to disperse the object, while
the restart parameter of GMRES is set to m=100 for the
EFIE-VIE or m=30 for the CFIE-VIE. Table 4 shows
the computational details in terms of the memory usage
of SAIP (PC-Mem), the SAIP setup time (Tec), and the
peak memory usage with m=100 for the calculation
process without any preconditioner (none) or with
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SAIP by different sub-matrix selection schemes (SS,
SS&VV and Tot), while Table 5 shows the total time of
the whole process in terms of different incident wave
polarization modes and different VSIE types. From
Table 4, it is found that except none, SS shows the least
peak memory usage and setup time, while Table 5
shows that SS leads to the minimum total time for both
VSIE types and both polarization modes. Figure 8
shows the number of iterations with respect to different
observation angles for different polarizations and VSIE
types, respectively. It is observed that compared with
none, the SAIP with each selection scheme (SS, SS&VV
or Tot) can significantly accelerate the convergence. In
addition, in terms of the acceleration performance, SS
is on the same level as SS&VV or Tot. However, SS
needs the least setup time and memory usage. This
example illustrates that even for the calculation of
monostatic RCS whose solution time occupies most of
the total calculation time, SS also shows competitive
effect.

Fig. 7. The coated PEC almond in the Cartesian
coordinate.

Table 4: Details of different selection schemes from
the proposed SAIP with Rsa=0.15A and m=100 for a
conducting 10A length almond coated with 0.05A thick
homogeneous dielectric

SAIP PC-Mem Trc Peak Memory
Scheme (MB) (s) (GB)
None — 8.83
SS 58.1 7.1 8.89
SS&VV 1330.9 642.5 10.1
Tot 1874.4 1802.3 10.6

Table 5: The total time of the whole calculation process
for a conducting 10A length almond coated with 0.05A
thick homogeneous dielectric (unit: minutes)

VSIE Type CFIE-VIE EFIE-VIE
Polarizations 0 [ 0 [}
None 39.7 36.0 885.5 3723
SS 17.2 14.1 125.1 56.8
SS&VV 27.9 23.9 134.8 65.1
Tot 48.2 46.0 151.5 82.7
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IV. CONCLUSIONS

The sub-matrix selection schemes to construct the
SAIP for the VSIE solution are discussed. For the VSIE,
a high-quality SAIP can be constructed by utilizing the
sub-matrix of surface-to-surface interactions in the near-
field matrix alone, which significantly reduces the
memory usage and setup time. Besides, an effective
sparse pattern selection scheme with only one tuning
parameter based on the geometrical information
provided by the introduced SAl-tree is proposed.
Numerical results show that compared with the reported
SAIP and ILU-type preconditioners, the proposed SAIP
reduces the number of iterations and total computation
time with enhanced flexibility and stability, while the
one tuning parameter can be automatically set according
to the average mesh size.
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Abstract — Recently, as a high-efficient uncertainty
analysis method, the Stochastic Galerkin Method has
been widely applied in EMC simulations. In this method,
the original solver must be changed during uncertainty
analysis. Thus, the realization of the Stochastic Galerkin
Method may become impossible in some cases. In this
paper, a novel method named Non-Intrusive Galerkin
method is proposed in order to sove this problem. The
performance of the proposed method can be clearly
shown by calculating a published example.

Index Terms — Non-Intrusive Galerkin Method,
Stochastic Galerkin Method, Uncertainty Analysis,
EMC simulation.

I. INTRODUCTION

In actual engineering environment, uncertainties
exist extensively as the random changes of the geometry
condition or operating parameters. In order to model
such situation precisely, stochastic modeling techniques
have been widely introduced into the Electromagnetic
Compatibility (EMC) simulation [1]. In this case, the
inputs of the EMC models are uncertain parameters, and
many uncertainty analysis methods have been
introduced to deal with the variability in model inputs.

The Monte Carlo Method (MCM) is the most widely
used uncertainty analysis method, and it has been
testified accurate in the EMC simulation [2, 3]. However,
low computational efficiency makes the MCM
uncompetitive. The Method of Moments [4] and the
Perturbation Method [5] are another two uncertainty
analysis methods, and both of them cannot achieve high
accuracy.

In recent years, the Stochastic Galerkin Method
(SGM), which is based on the generalized Polynomial
Chaos (gPC) expansion theory [6, 7], has caught some
researchers’ attention in EMC field. In the references

Submitted On: February 1, 2016
Accepted On: November 4, 2018

[8, 9], the SGM s presented to solve the stochastic
Transmission Line Model. The crosstalk calculation of
the random cables is presented in [8], and the field line
coupling affection simulation with uncertain parameters
in field is given in [9]. In the references [1, 10], the SGM
is introduced into the finite-difference time-domain
(FDTD) method to solve the stochastic Maxwell’s
equations. In the examples of the recent research, the
SGM shows good accuracy and high efficiency [6-10].

However, during the uncertainty analysis of the
SGM, the original solver must be changed. There is no
doubt that it will be difficult to realize the SGM when the
solver becomes complex. Especially in some cases, the
solver can’t be changed like the EMC software, and the
using of the SGM will become impractical. This paper
presents a novel method named Non-Intrusive Galerkin
Method (NIGM), which improves the SGM by using the
Numerical integration [11]. After calculating a published
example in reference [12], the performance of the
proposed method can be shown obviously by the use of
the Feature Selective Validation [13].

The structure of the paper is as follows. Section Il
employs a brief description of the Stochastic Galerkin
Method; the Non-Intrusive Galerkin Method can be seen
in Section IlI; algorithm validation is presented in
Section 1V; Section V provides a summary of this paper.

Il. THE STOCHASTIC GALERKIN
METHOD

In the traditional EMC simulation, all the input
parameters are supposed certain. However, in some
cases, some input parameters need to be regarded as
uncertain parameters, in order to improve the reliability
of the EMC simulation results. If the inputs of the models
are uncertain, the output parameters will be no longer
deterministic too. And how to obtain such outputs is
what the uncertainty analysis methods do.

1054-4887 © ACES
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The Maxwell’s Equations in 1D are taken for
example, as (1) and (2) shown. It is the wave propagating
in a linear isotropic homogeneous material along the
z-axis,

OE, (z,t)  oH,(z,1)
a T a
_oH, @Y _ gaEx(Z't)
oz
where, Ex (z, t) represents the electric field intensity
orienting in the x direction, at a position z and time t.
Similarly, Hy (z, t) is the magnetic field orienting in the
y direction. The symbols u, & and o stand for the
permeability, permittivity and conductivity of the
medium in which the electromagnetic fields propagate.
It is obviously that Ex (z, t) and Hy (z, t) are output
parameters which we are interested in. The material
parameters, like « and &, are the input parameters.
Suppose that the input parameters x and ¢ are
uncertain because of the lack of the knowledge. Thus, it
is suitable to use the Uniform distribution parameters or
the Gaussian distribution parameters to replace input
parameters, rather than use a certain estimated value. In
this situation, the lack of the knowledge is called a
random event 6. Several random variables can be used to
model the random event 6 as (3) shown,

§O)={4(0), &), -, 5,0, @)
where, &(60) is the random variable space which is made
up by the random variables. &(6) is the random variable,
and every variable has its own distribution.

After modeling by the random variables, the
stochastic Maxwell’s equations are obtained like (4) and

(5):

. 1)

+0E, (z,t), 2)

O (z,t,8) . 0H (z,1,8)
s HO— (4)

LB e ary. @)
0z ot

The parameters x(&) and ¢(&) are uncertain inputs.
Thus, the output parameters Hy (z, t, &) and Ex(z, t, &) will
be influenced by the uncertainty of the inputs.

According to the gPC theory, firstly, the output
parameters are expressed in the form of polynomial as (6)
shown,

Hy(z,t!é):ho(po(é:)"'hﬂpl(g)"'hzwz(g)y (6)

where, ¢i(&) is the Chaos polynomial which is
determined by the Askey rule, shown in Table 1, and it
is in the form of the polynomial of the random variables.
More details about the Askey rule can be seen in
reference [6, 7]. The coefficient h; is under calculated. In
a word, the solving process of the gPC theory is a kind
of Undetermined Coefficients method.

The polynomials provided by the Askey rule satisfy
the perpendicularity to each other like (7) and (8):

(9 21)=(of) o5, (7)
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0(Gi=j)
The inner product computation in (7) can be seen in

(9):

5 - {1 (i= i) @

(2, 9) = [0 Op, (OWENE, ©)
where, w(¢) is the weight function, which can be

obtained by calculating the joint probability density of
the random variables.

Table 1: The Askey rule

Rar_ldom Wiener-Askey Support
Variables Chaos
Gaussian Hermite-chaos (00, +90)
Gamma Laguerre-chaos [0, +o0)
Beta Jacobi-chaos [a,b]
Uniform Legendre-chaos [a,b]

The Galerkin projection equations by using the
SGM can be given by (10) and (11):
_eO M/zO,O M,ul,O M/.:Z,O 6 hO
M M. |=|h| (10
M M

0
_E e1 = M//O,l
_eZ MyO,Z

ho_ Mr;O,O Mgl,o M;z,o € _eo
’ 0 GE)
_E h |= M/,‘O,l Mgl,i M§2,1 a € |TO|€& |1

hz_ Mgo,z Mgl,z M§2,2 €, L €

H11

11,2 12,2

where, ¢ and h; are the coefficients of the Chaos
polynomial, which are under calculated. And they
are the abbreviation of ei(z, t) and hi(z, t). M,;; means

the product computation result of (u(£)@ (). ¢,(&)).
Similarly, M.;; means the product computation result of

(£0(0). 9,9).

Obviously, the original solver is changed due to
the Galerkin projection in SGM process. And after
calculating the coefficients of (6), the uncertainty
analysis results can be easily acquired by sampling in
terms of the distributions of the random variables in (3).
More details about the SGM can be seen in the references
[6-10].

Due to the Galerkin Process, the solver must be
changed during the SGM. This character severely limits
the application of the SGM. In next section, another
coefficient calculating method is given, and the original
solver would not be changed in this method.

111. THE NON-INTRUSIVE GALERKIN
METHOD
In the NIGM, numerical integration is introduced to
improve the SGM.
The inner product computation with ¢o(¢) is carried
out in both sides of (6), and (12) is obtained,



(2, H,(1,2,9)) = hy (2, (), 2, (&)

+h (2,(8), () + 1, (9, (&), 2, (£))-
Using the orthogonal property of the Chaos

polynomial in (7), (#,(£),9,($)) =1,(9,(£).%.(£)) =0,
and (@,(£),9,(£))=0 can be gotten. Then (13) is
obtained:

12)

& =& H,(t.2,9). (13)

In a similar way, the coefficients calculation can be
replaced by the integration calculations, shown as (14):

b
e =], 0 OH,CzOWEE, (19
where, a(&) and b(¢) are the lower bound and the upper
bound of the integration calculation.

In the NIGM, Numerical integration is provided to
calculate the integration in order to remove the random
variables. Numerical integration is an approximate
numerical method, which is used to calculate the
integration when the integrand function is in a complex
form. By this way, the coefficients calculation turns to
be (15):

n+l

& =2 Aa(NIH, (t.z,NI), (15)

where, the integration points NI; satisfy the character
a(&) <NI, <NI, <---<NI_,, <b(&) , and A; stands for

the integration weight of the Numerical integration. The
integration points are chosen according to the Gaussian
Quadrature formula [11], and the total number of the
integration points is supposed n + 1. Hy(t, z, NI;) presents
making the certain EMC simulation result in point NI;.
Thus, the uncertainty ¢ in input is replaced by the certain

value NI;. In another word, the random variable disappears.

The value of @o(Nl;) can be easily calculated by
substituting NI; into it.

Due to the numerical integration, the uncertain
EMC simulation is replaced by several certain EMC
simulations in numerical integration points NI;. Thus, a
steady EMC solver is enough for the NIGM, and the
solver can be regarded as a ‘black box’. There is no doubt
that the realization of the NIGM is much easier than the
SGM, and the NIGM can be introduced into the EMC
software to make the uncertainty analysis.

IV. ALGORITHM VALIDATION

In this section, two typical examples are simulated
in order to present the performance of the NIGM.
Because of the high accuracy of the MCM, the
uncertainty analysis results given by the MCM will be
regarded as the standard data.

The first example is one-dimension wave propagation
example published in reference [12], as shown in Fig. 1.
The certain EMC simulation method FDTD is used to
solve the Maxwell’s equations.

BAI, ZHANG, WANG: UNCERTAINTY ANALYSIS OF THE EMC SIMULATION

The space step of the FDTD is 1.5x10°m and the
time step is 5.0x10™s. The number of discrete points in
the electric field intensity is 151, and it is 150 in the
magnetic field intensity. The sine excitation source is in
the first discrete point with the amplitude 2.7x107°V /m
and the frequency 1.0x10°Hz . The total number of the
time steps is 100.

£,:1.47 ~1.53 (F / m)

0,:49x107 ~ 5.1x107 (S/m)

/\/_.,

| 1

12 150

Fig. 1. One-dimension wave propagation model with
uncertain inputs in medium parameters.

The dielectric coefficient & and the conductivity oy
are supposed to be the uncertain parameters, and they are
both in the Uniform distribution. The dielectric coefficient
obeys U[1.47, 1.53](F/m) , and the conductivity is

U[4.9x10°, 5.1x10°](S/m) .

Such random event in the inputs can be modeled by
two random variables & and & like (16) and (17). Both
of the variables are in the Uniform distribution with the
bound [-1, 1]:

& =¢ x(1+0.02x¢&,), (16)

o, =0, x(1+0.02x &), (17)
where, the mean values of the input parameters are
g =15(F/m) and 5" =5x10° (S/m).

For the SGM, six terms of the Chaos polynomial are

given in (18). It is the tensor product of one-dimension
Chaos polynomial, more details can be found in [9]:

(00(5) =1
P.(&) =\Bx¢
?,(&) =3x&,

?;(&) =§X(3X§f -1’
(/74(§) :3X§1X§2

o5(5) = %X(sxéz -1

According to [11], the numerical integration points
inthe NIGM are given by the Table 2, and the integration
weight A; is also presented.

The Probability Density Function (PDF) curve of
the electric field intensity at the 100" discrete point
simulation results are shown as Fig. 2.

(18)
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Fig. 2. The PDF of electric field intensity at the 100"
discrete point.

Table 2: The numerical integration points (&1, &)

Number 1 2 3
Point V15 15 N 0 V15 V15
om ("T"T) (‘T' > (‘T'T)
] 25 70 25
Weight EoT 7 EoT
Number 4 5 6
. V15 V15
Point ( ;‘?) (0,0) <O,T>
- 70 64 70
Weight 324 324 324
Number 7 8 9
. V15 15 Vis 0 V15 V15
Point (T ‘T) <T' ) (T'T)
) 25 40 25
Weight 324 324 324

The results of the MCM are treated as the standard
data, and 10,000 times of certain EMC simulations were
done to make sure the convergence of the MCM.

Furthermore, the Fig. 3 shows the expectation value
of all 200 discrete points, and the Fig. 4 presents the
variance information. The expectation value means
the most possible value, and the variance information
presents the magnitude of the uncertainty.

Using the Feature Selective Validation, the Total
Global Difference Measure (Total-GDM) values are
shown in Table 3.

According to the qualitative rule in the Feature
Selective Validation, if the Total-GDM value is less than
0.1, it means that the simulation results are in the
‘Excellent’ level. Thus, all the four values in Table 3 are
in ‘Excellent’ level, and it is proved that the accuracy of
the NIGM and the SGM in this example is the same as
the MCM. It is worth noting that though the Total-GDM
value of the SGM is less than that of the NIGM, the
accuracy of the SGM and the NIGM is still in the same
level. That is the opinion of the Feature Selective
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Validation [13].

x10°

3l —mcM ||
-—-NIGM

The expectation of the electric field intensity [V/m]
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Fig. 3. The expectation values of all 200 discrete points.
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Fig. 4. The variance values of all 200 discrete points.

Table 3: The Total-GDM value of the results

Results SGM NIGM
Expectation 0.006 0.01
Variance 0.037 0.05

The simulation time of the MCM is 63.2 s, and the
SGM takes 1.12 s. The NIGM wastes 0.65 s. It is proved
that the computational efficiency of the SGM and the
NIGM are in the same level, and much better than the
MCM.

The second example is the shielding effectiveness
calculation of a Perfect Electric Conductor (PEC) box
with the random hole. In actual situation, the position of
the hole and the size of the hole might be uncertain
because of the existence of the manufacturing tolerance.
Thus, the inputs of simulation model must be random in
order to model the situation better.

In this example, the EMC software, CST Studio
Suite, is applied to calculate the shielding effectiveness.
As the solver of the software is not open source, the SGM
cannot be used in this case. Thus, only the results of the



NIGM and the MCM are presented.

The material of the box is supposed the PEC, other
space is supposed vacuum. The size of the solution space
is 0.2mx0.2mx0.2m. If the step of is supposed 2x10-3m,
the space can be described like 100x100x100. The box
is in the shape of cube located in the middle of the
solution space, the length of side is 0.12m. The wall
thickness is 6x10-*m, 3 times of space step.

The shielding effectiveness calculation at 100 MHz
is obtained by the NIGM and the MCM. The position of
the excitation source is at the point (6, 64, 64) of the
space. And the excitation source is sinusoidal electric
field source at single frequency 100 MHz. The shielding
effectiveness reference point is in the middle of the
solution space, that is the point (50, 50, 50). The model
is given in Fig. 5.

Excitation source

U[5.4, 6.6]10

.16, 1.24]110%m 0.12m

Fig. 5. The model of the PEC box with an uncertain hole
on the surface.

The random variables for modeling the random
event are similar as (16) and (17) shown. Thus, the
numerical integration points and the weight are same as
the Table 2 shown. Figure 6 gives shielding effectiveness
results of the NIGM and the MCM.
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-=-NIGM

0.051
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:

-?20 -100 -80 -60 -40 -20 0
The shielding effectiveness [dB]

Fig. 6. The shielding effectiveness results given by the
NIGM and the MCM.
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In this example, the result is in the form of PDF. The
PDF curve has the character that the area surrounded by
the curve and the horizontal axis is 1. That means that
the PDF curve will be ‘wane and wax’, unlike the results
in Fig. 3 and Fig. 4. Thus, judging the accuracy of the
simulation result by means of comparing the difference
of two PDF curves is not reasonable. Furthermore, the
Feature Selective Validation is not suitable at the same
time.

The mean value and the variance comparison of the
NIGM and the MCM are proposed. The mean value of
shielding effectiveness values calculated by the MCM is
-56.7 dB, and the variance information of the MCM is
14.6 dB?. Meanwhile, the mean value of the results given
by the NIGM is -55.8 dB, and the variance information
of the NIGM is 15.3 dB2. The error in mean value is 1.6%,
and that in variance is 4.8%.

It is demonstrated that the NIGM is as accurate as
the MCM in the second example.

The certain simulation times of the MCM are 5,000,
and these of the NIGM are only 9. It is seen that the
computational efficiency of the NIGM is much higher
than the MCM.

In short, the NIGM is as accurate as the MCM
and the SGM. Like the SGM, the NIGM owns high
computational efficiency, and much better than the
MCM. Like the MCM, the NIGM can realize the
uncertainty analysis without changing the original solver.
Thus, the application scope of the NIGM is much wider
than the SGM.

V. CONCLUSION

This paper proposed a novel method named the
Non-Intrusive Galerkin Method, aiming at realizing the
uncertainty analysis in EMC simulations without
changing the original solver. By using the Feature
Selective Validation, it is clearly demonstrated that the
proposed method is as accurate as the Stochastic
Galerkin Method in a published example. Furthermore,
it is proved that the proposed method can be generalized
into the EMC software like the Monte Carlo method, but
Stochastic Galerkin Method can’t. It means that the
proposed method is much better than the Stochastic
Galerkin Method in the scope of application.
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Abstract — Helical magnetic flux compression generators
(HFCGs) are widely used to generate extremely high-
power pulses. Two most important output characteristics
of HFCGs in their use as pulsed power generators are
maximum value of load current and the rise time of that
current. In this paper, an approach is proposed to
improve the output characteristic of a Cascaded-HFCG.
The approach is based on time-varying primary winding
of dynamic transformer and addition of a gradually
incremental resistance in series with the first stage
winding. It is demonstrated analytically using simulation
results that the output current and its rise-time improve
by minimizing energy returned from secondary winding
to primary winding of dynamic transformer. The results
are compared to conventional Cascaded-HFCG that
has a non-destructive winding in its structure. A finite
element model is considered to calculate the self-
inductances, mutual inductance and resistances of the
generator. A new approach is proposed to gradually
increase in the resistance of primary winding of dynamic
transformer.

Index Terms — Dynamic transformer, explosive charge,
helical magnetic flux compression generator, incremental
resistance, load characteristic.

I. INTRODUCTION

Helical magnetic flux compression generators
(HFCG) are widely used to produce very high current
pulses in the recent past decades. These generators
convert the chemical energy of explosive charge into
magnetic energy in the form of current pulses. They are
used in a variety of applications like nuclear research, X-
Ray source, high power microwave, high power laser,
rail gun, and so on. Some applications of HFCGs require
shorter pulse width (shorter rise-time), higher voltage,
higher current, higher energy gain and higher
instantaneous power delivered to load [1]. Several
approaches are proposed in literatures to achieve these
requirements. For example, an increase in the axial
length of winding increases current gain and energy gain
of the generator but causes wider pulse width [2].

Submitted On: August 23, 2018
Accepted On: April 3, 2019

Another approach to get the higher current and energy
gain is to increase the diameter of armature, which cause
increase in cost and explosive pressure [2]. As mentioned,
many applications require a rise-time of output current
pulses in the range of one microsecond or less. In order
to achieve shorter pulse width (less rise-time of pulse),
the inductance of winding should be rapidly reduced
(dL/dt reaches a maximum value). In the past few
decades, several approaches have been proposed to
increase the rate of inductance changing in HFCGs. One
approach that is especially useful in larger HFCGs is to
use areal or simultaneous initiation of the explosive
charge [3], which may be achieved in either outside-in
or inside-out detonations. Generally, the outside-in
initiation is used for high magnetic field experiments
[4]. The inside-out simultaneous initiation systems are
successfully used in several generator designs [4].
Another approach is to taper the stator diameter to
an angle less than the armature expansion angle. This
technique is used in larger generators as well.
Disadvantages of this approach include finite length
systems and the difficulties in fabrication and assembly
of the tapered stator [4]. Short pulse width can usually be
achieved by using a conventional HFCG coupled with a
pulse-forming circuit, such as an opening switch or fuse.
Opening switches are difficult to design and fabricate
and add greatly to the complexity of the experiment [5].
In [6], a new method is proposed to reach an arbitrary
pulse width using two explosive current-opening switches
(EOS) combined with HFCG. An EOS is used to form
the leading edge of current pulse, while an explosive
current interrupter (EOI) switched in-series to electrical
circuit provides the duration of current pulse and the
formation of its trailing edge. The most important
advantage of this method is the production of a pulse
with controlled amplitude and duration with a trapezoidal
shape. Because of existence of two EOSs in this method,
its manufacturing is very complicated, time consuming
and expensive.

The first idea to overcome the aforementioned
problems was to use inductively coupled Cascaded
generators using air-cored transformer [7]. After that, in

1054-4887 © ACES
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1979, among several ideas and opinions, Chernyshev
proposed the use of a dynamic transformer and its
combination with Cascaded generator [8]. A Cascaded
generator consists of two or more FCGs connected in-
series with an air transformer or dynamic transformer,
where each FCG is the load of the previous generator. A
schematic of Cascaded-HFCG is shown in Fig. 1. It is
composed of two conventional HFCGs, which are
coupled magnetically using dynamic transformer.

1st Generator

2nd Generator

Fig. 1. Schematic of Cascaded Helical Magnetic Flux
Compression.

The electrical equivalent circuit of Cascaded-HFCG
after starting the explosion is shown in Fig. 2.

Lg1(t)

M
§c : ® S

Y\

Lp % ‘\g\ngm %LI

Fig. 2. Electrical Circuit of Cascaded-HFCG.

In the circuit shown above, Lg, (t) is winding of first
stage, Lp is primary winding of dynamic transformer,
Lg, (1) is winding of second stage (secondary of dynamic
transformer) and L, is load inductance. A seeding system
(usually a capacitor bank) introduces an initial magnetic
flux into generator by injecting current directly into first
stage winding. When the explosion starts, the armature
is expanded, and the injected flux is compressed. At the
end of the first stage operation, switch S is closed, and
the magnetic flux is trapped by L, (t) using a dynamic
transformer. At the same time, load current appears and
increases rapidly to form a current pulse. The rise-time
of load current is smaller than that of first stage current
due to lower axial length of Ly, (t) compared to Lg, (t).
Another advantage of Cascaded-HFCG is that it can be
used as a voltage pulse generator with arbitrary amplitude
because of the existence of step-up transformer (dynamic
transformer) in its structure [8].

Actually, a Cascaded-HFCG is composed of two
conventional HFCGs, which are connected in series and
coupled magnetically; thus, its efficiency is expected to
be a number close to the product of efficiency of each
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individual HFCG. However, experimental results show
that the efficiency of Cascaded-HFCG is about 30% less
than the expected value [2]. One of the reasons of this
lower efficiency is magnetic flux loss at the moment of
flux trapping in second stage (this moment is called
crowbar). Adequately, high mutual inductance between
dynamic transformer windings can decrease flux losses
and consequently increase the generator efficiency.
There are many factors that maximize mutual inductance
between two windings, such as turns number of
windings, pitch of winding, axial length of windings and
so on [9]. Although, high mutual inductance decreases
magnetic flux losses, it can increase transferred energy
between two windings. As we know, in Cascaded-
HFCGs, after starting the second stage operation, the
first stage current is still ongoing. Given that two stages
are magnetically coupled through dynamic transformer,
a part of energy returns to the first stage. Since there is
no electrical connection between load and first stage
winding, the returned energy leads to increase in current
of first stage winding instead of reaching to load. In [10],
a flux-trapping HFCG is considered, which is structurally
similar to Cascaded-HFCGs. Simulation results show
that close to the end of the generator operation, mutual
inductance between main winding (which is similar to
second stage winding in Cascaded-HFCG) and field
winding (which is similar to first stage winding in
Cascaded-HFCG) is high enough for a great amount of
energy to return to the field winding circuit. The returned
energy causes an increase the current of field winding
more than the usual (as can be seen from Fig. 5 of [10]).
It should be noted that in the described flux-trapping
HFCG, the field winding only covers the first 50% of the
main winding, which helps to decrease the coupling
between the two windings before an appreciable amount
of energy is transferred to the field-winding circuit. In
[11], a Cascaded-HFCG is considered, in which primary
winding of dynamic transformer covers 100% of the
second stage winding. Simulation results show that due
to the high amount of energy returned to the first stage
winding, its current increases irrationally (Fig. 6 in [11]).

It can be concluded from the above discussion that
one of the main issues about the lower efficiency of
Cascaded-HFCG is the increase in first stage current
more than the common value after crowbar instance and
increase in ohmic losses. In [12], it is proposed to rapidly
cut off current of the first stage by an EOS. On the other
hand, it is shown that in this case, a surge voltage is
produced in the generator, which causes electrical break
down in generator insulators [13].

This paper proposes an approach to overcome the
problems described above. In order to minimize the
energy returned to the first stage, mutual inductance
between two windings of dynamic transformer should
tend to a very small value after starting the second stage
operation. In conventional Cascaded-HFCG, the two



windings of dynamic transformer do not essentially
decouple during the generator run time. If each turns
of primary winding of dynamic transformer wipes out
simultaneously with turns of second stage winding and
armature expansion, the two windings can decouple
more quickly, and the returned energy decreases
significantly. Actually, the primary winding of the
dynamic transformer should have time-varying behavior
like the other windings of generator (Lp —> 0). In the
case of time-varying Lp, the self-inductance of first stage
winding reaches zero at the end of generator operation
(in the conventional Cascaded-HFCG, the self-inductance
of Lp is a non-zero value), therefore, the maximum value
of the current of first stage winding increases too. To
prevent the unusual increasing in the first stage current,
a gradually incremental resistance should be introduced
in-series with Lp. Added resistance restricts the maximum
value of first stage current, which causes an increase in
the load current. These claims are proved analytically
and using simulation results. The mathematical model
proposed in [11] is used for simulation of Cascaded-
HFCG. Resistances of windings are calculated by the
method presented in [14]. Time varying self-inductances
and mutual inductance are calculated using finite
element method (FEM) and validated by comparing with
2-D filamentary method described in [15].

I1. MODELING OF CASCADED-HFCG

According to the model proposed in [11], the
operation of Cascaded-HFCG can be divided into two
distinct phases. The first phase of the operation begins
by starting the explosion. Kirchhoff’s voltage equation
for the loop containing first-stage winding can be written
as:

]Igl(t)zoa (1)

where a3 is the flux conservation coefficient, accounting
for intrinsic flux losses in the first stage.

The second phase begins after the closure of switch
S and lasts until the end of generator operation.
Kirchhoff’s voltage equation for the loops are as follows:

dl (t dL , (t)+L dl o (t
P L PN
dt dt dt

gl
dl, () dL,, (t) dl, (t)
[L o L 15— +R 1 O+, o, —— 1, (04M(1) th

diy, () d(Lg (O+L,)
[Lgl(t)+Lp]#+[Rgl(t)+%$

M@
Ly (0L,] 50~ =0.(2)

dm(t)
I,0——=0.(3
+gl(t) dt ( )

In (3), a2 is the flux conservation coefficient
accounting for intrinsic flux losses of the second stage.
By solving the equations above, the time-varying current
in the circuits can be calculated. However, the time
variations of the inductances and resistances of windings
should be obtained and the values of a1 and a2 should be
determined in advance.
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I11. INDUCTANCE AND RESISTANCE
CALCULATION

While there are many analytical formulas for the
calculation of self-inductance and mutual inductance of
the two air-cored helical windings, there is almost no
explicit formula that produces accurate results when a
magnetic core such as an aluminum armature is added
inside the windings. The reason for this is that inductance
calculation in the presence of magnetic core requires the
use of formulas involving elliptic integrals or infinite
series, which can be very complicated. Numerical
methods can be used to avoid the calculation these
complicated and time-consuming integrals.

In [14], a zero-dimensional method of calculating
time varying inductances based on working volume
collapse during armature expansion is introduced. This
method is very simple and fast and is thus sufficient for
designing purpose.

In [15], a method called 2-dimensional filamentary
is introduced for the calculation of the self-inductance
and mutual inductance of HFCG. According to this
model, the armature and both windings of the generator
are decomposed into the same number rings. The
inductance of each winding involves the superposition of
the self-inductance of rings and mutual inductance
between them. In this model, the higher number of rings
for armature provide further accuracy in inductance
calculation, but this is more time-consuming, and the
simulation becomes more complicated.

In [16], a 2-dimentional method based on the
concept of equivalent impedance is proposed. Equivalent
impedance can be calculated in each step of the generator
operation through the division of voltage phasor by
current phasor in an equivalent frequency. This method
is only proposed for the calculation of self-inductance of
conventional HFCG.

The most useful formula for the computation of self-
inductance of a system involves calculating the total
magnetic energy using (4):

2
Em:jB—dv:EjA.jdv,
v 21, 25
1 4)
E, ==LI%
2
For a linear magnetic system, the volume integral of (4)
can be calculated analytically, but for nonlinear systems,
there is no analytical solution for this integral and it
should be calculated using numerical methods [10].

An appropriate method to calculate the mutual
inductance of the two windings is to consider the system
as a four-terminal device. A known current is applied at
the input terminals of device (one of the windings),
which induces a voltage across the output terminals (the
other winding). The induced voltage can be calculated
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from the magnetic potential vector using Faraday’s law.
The calculated voltage can be used to compute the
mutual inductance via:
induced voltage ‘ 5)

j(angular frequency of supply)x(applied current)

Considering (4) and (5), in order to achieve self and
mutual inductances, it is necessary to calculate magnetic
vector potential (A). Using the Maxwell equations, the
magnetic potential vector can be written in the form of
(6) for a system with certain boundary conditions:

V2A=-yg, (6)

where pg represents the magnetic permittivity of the

mutual inductance=

vacuum, J=cE=oc(0A/at) represents the vector of current
density and o special electrical conductivity. By replacing
J, the (6) obtains in the form of (7):
VZA-GHO%=O. )
In other regions where there is no current (¢=0), (6)
converts to the Laplace equation:
V2A=0. (8)
A helical flux compression generator is cylindrical
and thus, using a cylindrical coordinate system is
suitable for its analysis. Considering the symmetry of the
helical generators, (6) can be expressed in the various
parts of the generator in the form of (7):
?A °A 10A A _

2 a2t TZ_O’ for free space
2 2
g?A % %%’?—rﬁz—ayo%:o, for armature  (9)

0?A, %A 10A A OA___ |
a? o Tar 2 Mol

By solving (9), the magnetic potential vector is
calculated and using the (4) and (5) we can obtain the
self and the mutual inductance.

In this paper, the self-inductance and mutual
inductance of windings are calculated using FEM. The
two stages of the generator, dynamic transformer and
armature are modeled in 3-D as shown schematically in
Fig. 3. The modeled domain is surrounded by a region of
infinite elements, which is a way to truncate a domain
that stretches to infinity. Each winding is modeled as a
hollow cylinder that can be considered as a multi-turn
winding. The armature is modeled as an aluminum
hollow cylinder that can be considered as a single-turn
coil passing the current of generator stages. The free
space between windings and armature (called working
volume) is considered as air.

Figure 4 shows a typical 2D axisymmetric schematic
for the modeled Cascaded-HFCG demonstrated in Fig.
3.

for windings

Self-inductance calculation of the first-stage
winding can be carried out by neglecting the second-
stage winding. A known current (for example 1A) is
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introduced to the first-stage winding. Using (4), the time-
varying inductance profile can be calculated. Figure 5
shows the calculated time-varying self-inductance
profile of the first-stage winding using the described
FEM. In order to verify the validation of the calculated
profiles, a simulation is performed using the 2-D
filamentary method described in [15] and the results are
compared. As we can see, there is an approximately good
agreement between the calculated inductance profile
using the FEM method and 2-D filamentary method.

second stage winding

armature dynamic transformer

» »
Ll | >

A

first stage winding Lp winding

Fig. 3. FEM model of Cascaded-HFCG used to calculate
inductances.

infinite element

¥

first stage winding
%
\ Lp
'\
\

armature

second stage winding

Fig. 4. 2D axisymmetric for the modeled Cascaded-
HFCG.

self-inductance of first stage
T

Time(us)
self-inductance of second stage
T T

n
0 10 20 30 40 50 60 7 80 %
Time(s)

T mutual-inductance between two stages
. - , o 2 : h

0 10 2 0 4 o @ %
Time(;:s)
Fig. 5. Calculated time-varying inductances: (solid line)

for FEM method; (dashed line) for 2-D filamentary
method.

Inductance calculation procedure for second-stage
winding is similar to the one described for the first stage.



First-stage winding is the neglected and a known current
is fed to second-stage winding. The self-inductance
profile of second-stage winding is similar to that of the
first stage. But the difference is that during first-stage
operation, there is no contact between second-stage
winding and armature, as a result of which inductance is
approximately constant. After closure of switch S, all
turns of the winding are wiped out one by one and
inductance tends to zero at the end of the generator
operation. Figure 5 shows the calculated time-varying
self-inductance of second-stage winding.

There are two accurate methods in literature to
calculate the mutual inductance of two windings in the
presence of armature. The first one is to fabricate the
generator and measure inductance. This method is very
time-consuming and expensive. Also, it is only possible
to measure initial inductance experimentally because
there is no device to measure mutual inductance during
the generator operation. The second method is numerical
simulation, such as electromagnetic field (EF) solver. In
our model, the first-stage winding is fed by a current as
the input of the four-terminal device. The second-stage
winding is considered to be open-circuit and the induced
voltage across its terminals is calculated using FEM.
Finally, the mutual inductance is calculated using (5).
Figure 5 shows time-varying mutual inductance of
Cascaded-HFCG calculated by FEM.

In [14], a simple method is proposed to calculate the
resistance for each winding of HFCG,

R(t):Rdc(t)xKTszkinprroximity' (10)
In this equation, Rqc(t) is the DC resistance of winding,
Ky is the temperature correction of conductivity, Ksin is
correction for skin effect, and Kproximity iS correction for
proximity effect. In our FEM model, a known current (a
simple current source of 1A) is connected in series to
each winding and electrical voltage between its two
terminals is calculated using FEM. The DC resistance of
the windings is equal to the electrical voltage between
terminals over the applied current (in this case, 1A). The
equation for the calculation of these corrections is
described in [14].

IV. ANALYTICAL SOLUTION

In this section, an analytical analysis is performed
to describe an approach to increase the load current
of Cascaded-HFCG and decrease the rise-time of load
current. The results are validated by simulation in the
next section. For simplification, ohmic resistances of
windings and armature are assumed to be negligible.
Suppose that at the starting of generator operation, initial
flux ®(0) is introduced to first-stage winding by initial
energy supply. For time interval (0, ti), where t; is
crowbar time of the second stage, flux equation for the
left loop of Fig. 2 can be written as:
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D(0)=(Lp+Lg1(0))g1(0).
DO=(Lp+Lg1 ()1 (H=P(0).

At the end of the flux compression procedure in
the first stage, self-inductance of first-stage winding

vanishes (L (t,) —0). Thus, (11) changes as follow:
O(t1)=Lplg1 (t1)=0(0). (12)
After the closure of switch S at the moment ty, the

following system of flux equations is valid for two loops
of Fig. 2:

(11

Lplgr(+M®lgo (D=Ll (1), (13)

(Lg2 ()+L)Igo ()+MB)1g1 (=M(tp) g1 (ty). (14)

The right term in (14) is magnetic flux trapped by
second stage due to mutual inductance between the

windings. Solving (13) and (14) using (12), we can find
the current of second stage of the generator:

EIM)MO]
142 (t)=0(0) P > .
L|+ng(t)(1- M=() J

(15)

LpLgo(t)
At the end of the generator operation, the value of
Lgo () and M(t) tend to zero, and the (15) changes as
follows:
1
—M(t,)
12 (tena)=P(0)—>

— () M),
L, LoL,

It can be concluded from (16) that the final value of
load current depends on three factors. The impact of ®(0)
and M(t1) on load current is considered in many existing
articles [9]. The third effective factor on load current
is the inductance of primary winding of dynamic
transformer (Lp). It is obvious that smaller Lp results
higher load current. According to the design criteria's,
and to maximize the flux trapped by dynamic transformer,
Lp should not have very small initial value. If inductance
of Lp decreases after the crowbar of second stage
operation and simultaneously with armature expansion,
the load current increases consequently. In a conventional
Cascaded-HFCG, inductance of Lp is approximately
constant; however, a destructive structure using a very
thin explosive substrate located over or under the Lp can
sweep out turns of Lp and cause to inductance of Lp to
decrease (L, — 0) [13].

As previously mentioned, the current of the first
stage winding after second stage crowbar causes a
decrease in the efficiency of Cascaded-HFCG and
consequently decreases load current. To overcome this
problem, we propose adding a gradually incremental
resistance in-series with Lp. The advantage of added
resistance is explained analytically in the following. Let
(3) be rearranged as:

(16)
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®
u g0

di, (1)
[Lep®+Ly] f:jzt Ry (O+R+ az

dlgl(t) 1
gl

(17)

=M() o0,

In (17), I, () has a positive sign and dM(t)/dt is
negative during the generator operation; thus, the term
—Ig ()(dM(t)/dt) (shown as term A for convenience)
is a positive quantity for the whole duration of generator
operation. In return, —M(t)(dl; () /dt) (term B) can be
considered in two cases as follows:

a) In conventional Cascaded-HFCG (with no
added series resistance), I (t) increases for the
whole duration of generator operation, so
dlgq (t)/dt has positive sign. On the other hand,
M(t) is positive too, so the sign of term B
becomes negative. In this condition, the right
side of (13) is equal to A-B.

b) Adding series resistance with L, cause current
to become descending and dlg, (t)/dt gets
negative sign in this case, so the sign of term B
becomes positive and the right side of (17) is
equal to A+B.

It is obvious that for the case (b), the right side of
(17) has a greater value than the case (a), due to which
load current becomes greater.

Another advantage of added incremental resistance
is the decreasing in rise-time of load current. Ohmic
resistance of load and second stage can be negligible, so
(17) can be written as:

dM(t) dLga ()

—lg2(t) p 18

d
diga (1) _ -M(t T"gl(t)
dt ng(t)+L|
With the same analysis as before, if dlg, (t)/dt is a
negative gquantity, the numerator of (18) becomes larger
and this means smaller rise-time of current. This is one
of the goals of the optimization of Cascaded-HFCG.

V. SIMULATION RESULTS AND
DISSCUSION

As previously mentioned, L, has a great impact on
generator efficiency in Cascaded-HFCGs because of its
participation in energy transfer to second stage winding
and load. The (16) shows that if each turn of L, is wiped
out simultaneously with armature operation and second
stage winding, the load current increases. On the other
hand, coupling between L, and second stage winding
decreases gradually; thus, the returned energy to L,
decreases, which can increase the generator efficiency.
The self-Inductance profile of first stage winding for the
case of time varying L, which calculated using FEM is
shown in Fig. 6.
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40

0 10 20 30 40 50

Time(us)

Fig. 6. Self-inductance and resistance profile of first-
stage winding; (solid line) conventional generator;
(dashed line) generator with added resistance and time-
varying Lp.

The procedure of the inductance calculation for this
case, is similar to previously described in Section IlI.
The only difference is that Ly, must be time varying and
burns out after generator operation. As we can see, self-
inductance tends to zero at the end of generator operation
while it reaches a non-zero value for conventional
generator.

Since the first stage current passes a return
conductor and does not get to load, its continuation
causes more energy loss and decreases generator
efficiency; therefore, this current should be interrupted
after starting second stage operation. Sudden
interruption of current may cause electrical break down
in generator insulations [13]. It may be better to
gradually decrease current of L, using an incremental
resistance in-series with that. In this paper a resistance
increasing linearly from zero to 50 m( is added in-series
with Lp. It is described how we can increase the
resistance practically at the end of this section. Figure 6
shows the resistance profile of the first stage winding in
the case of added resistance in comparison with
conventional Cascaded-HFCG.

The equivalent electrical circuit of Cascaded-HFCG
changes as Fig. 13 considering the proposed approach.

Lgl(t)

M(t)
S

Lp(t% T\E\ngm % LI

Fig. 7. Electrical circuit of cascaded-HFCG considering
added resistance and dynamic L.

R(t)




In order to validate the theoretical analysis
performed in the previous section, a computer code is
programmed based on the model demonstrated in
Section 1l and electrical equivalent circuit of Fig. 7. A
brief description of the modeled Cascaded-HFCG is
needed here. The first stage winding is a single-pitch
winding composed of 42 turns and has 300 mm length.
Primary winding of dynamic transformer has 4 turns and
120 mm length. The inner diameter of first stage winding
is 115 mm and the aluminum armature placed inside
winding has an outer diameter of 50 mm. Armature wall
thickness is 3.8 mm. The second stage winding has 30
turns and 120 mm length, which is located under first
stage winding and ends at the same location as the ending
of primary winding of dynamic transformer. The initial
current of first stage winding is supplied by a 6 pF energy
storage capacitor charged to about 20 KV. The load
inductance is 25 nH. Detonation velocity is 6400 m/s.

Figure 8 shows the simulation results obtained from
computer code for modeled Cascaded-HFCG. As we can
see, current of first stage reaches a maximum value about
400 KA with rise time of current close to 65 us, whereas
maximum value of load current is 200 KA with rise time
of current smaller than 15 us for conventional generator.
It is obvious that after starting second stage operation
(about 50 us) the current of first stage rises sharply and
reaches an extremely high value. The reason for this
excessive current is the high mutual inductance between
the two windings and the energy returned to L, as
previously discussed in detail.

current of first stage

»
8

current(KA)
N
8

C)

0 10 20 30 40 50 60 70
Time(us)
current of second stage
400 T T T T
< '
X /
T 200 /
5 //
2 '
3 ,!
o P
0
0 10 20 30 40 50 60 70
Time(us)

Fig. 8. Simulation results of conventional generator
(solid line) and generator with time-varying Lp and
incremental resistance (dashed line).

The simulation of the generator using the proposed
method is done using self-inductance profile and
resistance profile of first-stage winding, as demonstrated
in Fig. 8. It can be seen that, after adding the resistance
to the circuit, current of first stage follows a decreasing
trend and causes an increase in load current. The
maximum load current is 300 KA-i.e. 100 KA greater
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than previous case. Current of first stage is limited to
300 KA due to the added resistance in-series with first
stage winding. On the other hand, because of destructive
behavior of Lj, in this case and minimization of returned
energy, the generator efficiency becomes greater. It is
obvious that there is a considerable improvement in the
di/dt and the rise time of the load current.

As we know, internal voltage in FCGs could reach
about hundred kilovolts depending on some factors such
as generator size, law of inductance change, and initial
energy of system [17]. Actually, high internal voltages
develop in HFCGs because of three reasons: high initial
inductance of first stage winding, very small rise-time of
current, and high value of inductance variation over time
(dL/dt). For the proposed approach in this paper, dL/dt
becomes greater than conventional Cascaded-HFCG
because of the dynamic behavior of Lp, due to which the
internal voltage becomes greater. Figure 9 shows internal
voltage of the analyzed generator for two cases. The
maximum value of internal voltage is 55 KV, which is
much smaller than the critical value (critical value of
internal voltage is 150 KV for HFCG [2]).

60

——conventional
501"~ proposed method

30 //

internal voltage(KV)

o——

0 10 20 30 40 50 60 70
Time(ys)

Fig. 9. Internal voltage for conventional generator
(continued line) and proposed method (dashed line).

As for feasibility of the above behavior of
incremental resistance and time varying Lp, it’s better to
describe the operation of a simple Exploded Opening
Switch (EOS) first. The scheme of the device where
current carrying foil is broken at its casting onto a ribbed
dielectric barrier using high explosive (called EOS in
literature) is shown in Fig. 10.

body
ribbed barrier

foil

Fig. 10. Cross-section of exploded opening switch.
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In the above described EOS, when the current
carrying path is cut off by a ribbed barrier under the
pressure of explosion, the current drops to zero sharply
and a voltage surge is produced in the windings [12]. It
may be better to find a way to increase the resistance
slowly and simultaneous with armature expansion to
prevent voltage surge formation in generator. In the
following an approach is proposed to how we can
increase the resistance in-series with first stage winding
of Cascaded-HFCG gradually.

Fig. 11. Hollow cylinder conductor.

As we know, if a potential difference is applied to
the ends of a hollow cylinder, electrical current can flow
through its side surface azimuthally (Fig. 11). In this
case, the cross-sectional area is A = w(b? — a?), thus
the resistance is calculated from (19):

L pL

RI/JKZW- (19)

From (19), the resistance of the cylinder is proportional
to the length of conductor (L). If the cylinder is cut from
one end helically, the length of the current carrying path
increases, which causes an increase in resistance (Fig.
12).

Fig. 12. Cylindrical conductor which is cut helically.

In order to practical implement of the above-
mentioned idea, we can consider a structure like that
shown in Fig. 13.
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returning conductor
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high explosive

first stage winding
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e crowbar

load
high explosive

Fig. 13. Cascaded-HFCG with incremental resistance
and time-varying Lp.

As we can see, a very thin hollow cylinder which
is located over the Lp winding and coaxial with it, is
considered as the returning conductor. The returning
conductor is connected to L, winding from one hand and
to armature from the other hand. A ribbed barrier with
helical grooves is located under the returning conductor
which is faced to cylinder. The ribbed barrier is placed
on explosive substrate. Detonation in substrate is
initiated by an impact from expanding armature. The
detonation propagates along cylinder and barrier, so
pushed the grooves on the cylinder. Under the pressure
of the grooves, the cylinder is cut in the form of helical
and cause to an increase in the length of current path.
Figure 14 shows a cross sectional representation of the
ribbed barrier with helical grooves which can be used for
our purpose. The ribbed barrier can be located over the
cylindrical conductor too. In this case, the explosive
charge should be located inside the cylindrical conductor.
The mechanism of this device is similar to the EOS
presented in Fig. 10.

helical grooves

1gh explosive

helically sliced contzlctor ribbed barrier
Fig. 14. Cross section of the ribbed barrier with helical
grooves.

V1. CONCLUSION

Based on an analytical analysis, a new approach is
proposed to improve the performance of Cascaded-
HFCG. According to the proposed approach, each turn
of the primary winding of the dynamic transformer
should be wiped out simultaneously with armature
expansion. This causes the primary winding to decouple
from the secondary winding, which minimizes energy
returning to the primary winding. On the other hand, a



gradually incremental resistance should be added in-
series with the primary winding of the dynamic
transformer. Added resistance restricts current increasing
in primary winding, which causes lower energy loss,
greater load current, and shorter pulse width of current.
A quick numerical model is used to validate the
performance of the proposed approach. Self-inductance
and mutual inductance of the winding are calculated
using FEM and compared to the results obtained by the
2-D filamentary method. FEM is an accurate and very
fast method to calculate time-varying inductances in
HFCGs.
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Abstract — In this paper, we propose a novel linear
microstrip array antenna with high gain and low sidelobe
level (SLL) for outdoor WLAN applications. The array
antenna includes of two main parts: a linear array and a
reflector. Specifically, the array is linearly constructed
with 10 elements; those are placed on Rogers RT/Duroid
5870™ substrate with the dimensions of 422x100x10.15
mm?3, Furthermore, to acquire the SLL reduction, a series
fed network is designed to have the output signals being
proportional to the Chebyshev distributions (with the
preset SLL of -30 dB). On the optimization of the single
element, Yagi antenna theory is applied by adding two
directors above each element to increase its directivity.
Additionally, we put a reflector at the back side of the
proposed array. Simulation results indicate that the array
operates well at 5.5 GHz with the high gain of 17.5 dBi
and a low SLL of -26 dB. A prototype has been fabricated
and measured to validate the simulation results. Good
agreement between simulation and measurement data
have been obtained. This proves that the presented array
antenna can be a good candidate for WLAN applications.

Index Terms— Fan-beam, linear array, low sidelobe.

L. INTRODUCTION

Printed antenna arrays are usually used in
telecommunication systems such as point to point and
point to multipoint, in radar microwave, and millimeter
systems. However, combining antenna elements in an
array may lead to larger in size and the side lobe level
(SLL) will be high, which is the main drawback of
such kind of antenna. The high SLL in the array may be
caused by: tolerances in fabrication, mutual coupling
between radiating elements, limitations in feasibility of
feeding network realization, surface wave effect as well
as parasitic radiation from a feeding network.

Several techniques to reduce the SLL of the array

Submitted On: November 6, 2017
Accepted On: April 6, 2019

have been investigated and proposed in the literature [1-
3]. In the digital beamforming (smart antennas) or radar
systems, Binomial, Chebyshev and Taylor distributions
have been commonly applied in power excitation of the
array to get low SLL. In the ordinary arrays, the same
thing can be achieved by designing the feeding network
which has output power corresponding to these
distributions. Among several types of array feeding
structures, there are two common types of feeding
network for the array: corporate fed and series fed. The
discontinuities, bends and power dividers in the corporate
fed array may cause spurious radiation that raises the
SLL to high levels, especially in large arrays. In some
cases, a single high-directive element is used to avoid the
spurious effect of the feeding network [4, 5]. In opposite
with the corporate one, the series fed, which employs
shorter and fewer transmission lines, leads to an array
antenna with smaller size, lower attenuation loss and
spurious radiation from the feed lines.

Recently, several attempts have been done to
suppress the SLL in the printed array antennas [6-16]. A
novel aperture coupled microstrip antenna array has
been proposed in [8]. The antenna consists of a total
100 microstrip elements that are arranged in two rows of
50 elements, with element spacing of 0.51 free-space
wavelength. A SLL of -20.9 dB has been obtained.
However, due to using a large number of elements, the
size of the whole array is considerably large while the
SLL is not low. In [13], Saputra et al. have introduced a
sidelobe suppression method for X-band antenna array
by designing a novel feeding network with Chebyshev
distribution. The array operates at 9.3 GHz and can give
-19.4 dB SLL. As the complexity of the feeding network
and the limited number of elements, the gain is only 12.3
dBi and the SLL is still high. Another 6 elements array
antenna with linear series fed has been presented in [12].
A wideband of 6.5 % has been obtained, but the SLL
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and the gain acquired are still not good, which are -20 dB
and 14.2 dBi, respectively. Lower SLLs have been
tackled and obtained in [9, 14]. By using the optimized
distribution coefficients through differential evolution
algorithm, a wideband and lower SLL have been achieved
in slot antenna with series fed network in [9]. The
antenna includes of 10 elements which are arranged in
a series feeding network. The SLL and half power
beam-width (HPBW) are -25.3 dB and 8.4°, respectively.
However, the gain achieved is only 14.5 dBi. In addition,
the authors in [14] have proposed a low SLL and
wideband series fed dielectric resonator antenna (DRA)
array. The proposal can get a very low SLL of -30 dB
and high gain of 19 dBi. Nevertheless, the large number
of elements (up to 22 dielectric resonators have been
used) result in a large size. Besides, the fabrication could
be complicated as complex design techniques have
been used. Similarly, two other DRA arrays have been
introduced in [11, 16]. The array [16] works at 60 GHz,
while the counterpart operates at 7.4 GHz. The SLL are
-27.7 dB and -23 dB, respectively. Bayderkhani and
Hassani have presented two linear series fed Yagi-like
array samples in [10, 15]. The arrays have 22 similar
Yagi line elements, which can provide the gain of
15.3 dBi and the SLL of about -27 dB. In spite of using
a huge number of single elements and the Chebyshev
distribution with the SLL preset to -35 dB, the gain and
the SLL is not noticeably good. Hassani and his other
colleagues have continuously proposed two other low
SLL arrays [6, 7]. The sample in [7] has the SLL of 20
dB, while the lower SLL (-33.2 dB) has been obtained in
[6]. However, the gain in [7] is remarkably high with
18.2 dB compared to just -15.9 dBi in [6].

In this paper, a high gain, low SLL, microstrip linear
antenna array will be introduced. The design procedure
from single element, feeding network and the complete
array will be specifically demonstrated. The array
consists of 10 single elements, which are double-sided
printed dipoles (DSPD). The low SLL is obtained by
designing the series fed network with the output power
corresponding to the Chebyshev coefficients (preset SLL
of -30 dB). As can be seen from the simulation results,
the antenna operates well at 5.5 GHz with the bandwidth
of 212 MHz. Moreover, a high gain of 17.5 dBi has also
been acquired, while the SLL is low at -26 dB. Fabrication
and measurement have been done, and simulated results
have been validated with the corresponding measured
data. Good agreements between simulation and
measurement have been shown.

II. ANTENNA DESIGN AND STRUCTURE

A. Design of the single element

To build an array, a single element should be first
selected and designed. In this work, to guarantee the
requirements in both size and performance, DSPD has
been used as the single element of the array. In authors’
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previous work [17], we have presented and analyzed this
kind of antenna in details. Figure 1 gives the proposed
DSDP used as single elements in the array construction.
The length of the feed line and the patch can be given
by approximately a quarter of the wavelength (A,/4 =
c/4fo\er). The width of the patch can be calculated by
equation (1):

s% L\?2
a 90 er—1 (W) ! @
2
where, Z, = ZZ—" ,Zin =500

Zo(parallelstrip) = ZZO(microstrip) (h = g)
In this paper, the DSDP is placed on the Roger
RT/Duroid 5870tm (thickness of 1.575 mm and & =
2.33), and has been adjusted to work at 5.5 GHz with the
impedance Zg = 100Q at the center frequency. The final
dimensions of the single element are given in Table 1.
The simulated Si1; and radiation pattern of the DSDP
are shown in Fig. 2 and Fig. 3, respectively. It is clear
that the DSDP can work well at 5.5 GHz with the gain of
5.27 dBi. This DSDP will be used as the single element
of the array in this work.

Table 1: The parameters of the single element

Parameters | Value (mm) | Parameters | Value (mm)
We1r 0.8 Les 8.5
We, 9.1 Leo 6.0
Wes 10.0 a 2.5

Wez

— 1 Wer

Fig. 1. The proposed single element.

0 T
—— Simulation result

\ 2084 GHz /
-10

2 ///

-

S,, [4B]

20

) %%
.

T
4.0 4.5 5.0 5.5 8.0 6.5 7.0

Frequency [GHz]

Fig. 2. Simulated Sy; of the DSPD.
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Fig. 3. Radiation pattern of the DSPD.

B. Design of the feeding network

This section will present the procedure to design
the feeding network using in the array. The series fed
network for the linear array is designed to match with the
single element in the previous section to form a 10x1
array antenna. The Chebyshev distribution with preset
SLL of -30 dB has been utilized as the output coefficients'
target. In order to obtain the Chebyshev distribution in
the series fed network, different shunt stubs have been
added to the feed line so that the amount of signal
flowing out each output port can be easily controlled.
The operation and the equivalent circuit of the stub in the
antenna are given in the Fig. 4. According to [18], the
equivalent shunt capacitor of shunt stub can be calculated
by:

Vo = etan (21) = 1. (1) = jo (), @

g g9 p

where Y. is the equivalent admittance of the stub, | is
the length of the stub v, is the phase velocity, Ag is the
wavelength in the substrate.

[

Z,B

Yin

L<Ag/4 |:> I c

Fig. 4. The equivalent capacitor of shunt stub.

As the symmetrical properties of Chebyshev
distribution, the proposed feeding network has a mirror
like structure. Indeed, the feed has a main line which is
fed by the 50Q line at the center. To form the symmetrical
geometry, the same feeding line and shunt stubs are
equally distributed on each side of the central line. These
stubs serve as shunt capacitors and play as impedance
matching to control the output amplitude excited at each
element. Due to the effect of shunt stubs in the impedance
matching point, the S parameters at each port related to
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the input port will be easily handled. It means that the
energy flowing out each output port can be controlled
[19]. The feed model at one side and the equivalent circuit
are shown Fig. 5.

P(uy)

Z P1(uy) Ps(us)

In port Zg Zs;  Zgss Zsy
(a) The feed model with shunt stubs

= Zy = Z

(b) The equivalent circuit
Fig. 5. The series fed network and its equivalent circuit.

In this work, the feeding network has been designed
for 10x1 antenna array with the Chebyshev amplitudes
corresponding to SLL of -30 dB. The Chebyshev
amplitudes for 10 elements are given in the Table 2.

Table 2: Chebyshev amplitude weights for 10x1 linear
array (SLL = -30 dB)

Element No. U1 u us U4 Us
Amplitude 1 |0.8780|0.6692 | 0.43 | 0.2575
Characteristic | 7 7 7z 7 7z

| mpedances TL sl s2 s3 s4
Element No. Us uz us Us U1o
Amplitude 1 |0.8780|0.6692 | 0.43 | 0.2575
Characteristic | 7 7 7 7 7

I mpedances TL s5 s6 s6 s8

The impedance of the shunt stubs (Zs1, Zs2 ..., Zsa)
can be determined using theory given in [20] as follow:
ZsllzTL = Uz/Ul = 0.8780; ZszlzTL = U3/U1 = 0.6692; 253/ZT|_
= Us/up = 0.4300; Zsa/Z1 = us/ui= 0.2575. For determining
the value of impedances and the value of shunt stubs, the
main line should be first selected. The different values of
the main line have been simulated, and the results are
given in Fig. 6. The wider bandwidth has been achieved
with the main line impedance of 178CQ. Hence, the main
line has been designed with the impedance of 178Q.
Eventually, these values of Zs have been calculated as



given in Table 3.

0

5 iy, =
0 t?\’\ f

E wr

= —z =700

. z, =750 |
W4 a7 =T8O

—a—Z, =1800Q
26 —h—Z =1850)

-30

T T T
52 53 5.4 55 56 57 58
Frequency [GHz]

Fig. 6. The simulated reflection coefficient of different
main line impedances.

Table 3: Characteristic impedances of the series fed
network

Characteristic
impedanlcesI Zn Za Zs2 Zs3 Zsa
Value (Q) 178 | 156.11 | 118.98 | 76.454 | 45.78
Characteristic
impedanlcesI In | Zs Zso Zs Zss
Value (Q) 178 | 156.11 | 118.98 | 76.454 | 45.78

Figure 7 shows the final series fed network of 10
elements designed on Roger RT/Duroid 5870tm substrate
(the height of 1.575 mm and the permeability of 2.33)
with the dimensions of 55x385x1.575 mm3. Synthesized
parameters of 10x1 series fed network is given in Table
4 [21].

Table 5 gives the simulated amplitude and phase
data at each output port. It is clear that the simulated
amplitude coefficients coincide with the Chebyshev
distribution with small negligible differences. The
normalized radiation pattern of simulated coefficients

g ——
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from the feed and the corresponding one from theory
have been presented in Fig. 8. This series fed network
can be combined with single elements to construct a
linear antenna array which has the SLL suppressed to
-27 dB.

Table 4: Synthesized parameters of 10x1 series fed
network

Parameters |Value (mm)| Parameters |Value (mm)
d 38.8 W4 7.00
Is 3.75 Wi 2.00
Ws1 1.14 W, 0.80
Wso 3.30 g 7.20
W3 5.13

Table 5: The simulated amplitudes and phases of the
series fed network
Element
No.
Amplitude

Phase

Us-9 Us-10

0.4150|0.1863
-55.750|-51.12°

us-g

0.6726
-53.10°

uz-7

0.9238
-53.67°

Ui-6

1.0000
-50.48°

—a— Simulation
—— Theory

-27.79dB I
-20

-30

RV e
Ve e
i

‘ H 'Jl l'
Fig. 8. Normalized radiation patterns with respect to the
output power coefficient (solid line) and theoretical one
(dotted line) [21].
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Fig. 7. 10x1 series fed network [14].
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C. Design of the array

The array structure is obtained by combining
optimized single elements and the series fed network
developed in the previous sections.

So as to increase the gain, two techniques are being
applied in the design of the array. Firstly, as the
inspiration of Yagi theory, directors are being added into
the elements of the array [20]. Hence, according to the
theory given in [20] that the directors in Yagi antenna
should be around 0.4\ to 0.48, each single element
has been integrated with three directors, which have the
same size of 2.5x15 mm (0.42)4 x0.07Xg), at both sides
of the DSDP. The number of directors can be designed
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larger subject to the trade off between gain and
dimensions required in the array. The simulated results
of the gain and the SLL with respect to the sample with
and without directors will be specifically presented and
discussed. Secondly, a reflector is being placed at the
back of the main array with the distance of g ~ A¢/4 (as
shown in Fig. 9 (c)) so as to boost up the gain of the
whole array. The overall size of the proposed array is
422x100%10.15 mm? as given in Fig. 9.

The optimized array has been fabricated and
measured in the laboratory as shown in the Fig. 10. In
Section 3, the detailed results will be compared and
discussed.

Top view

Substrate

o

~—_—— Button view

= Reflector

- ©

Fig. 10. Fabricated antenna array.

II1. RESULTS AND DISCUSSION
A. Simulation results

In this work, the element and array are simulated
using the CST Studio Suite 2016 in the notebook
computer with the configuration as given in Table 6. The
total time required to completely run the simulation in
this computer is nearly 10 minutes.

Figure 11 shows the simulated Si; of the array. The
proposed antenna operates at 5.5 GHz with the bandwidth
of 212 MHz at -10 dB of Si1. Though the single element
can provide wide bandwidth (about 1.3 GHz bandwidth),
the constructed array antenna can just operate at a part of
the full bandwidth of the applications. This may result

from the effect of the feed or the mutual coupling between
the elements when combined.

Table 6: Computer configuration

Brand Name Lenovo - T440S

Max Screen Resolution 1600 x 900 pixels
Processor 2.1 GHz Intel Core i7
RAM 8 GB DDR3L SDRAM
Memory Speed 1600 MHz

Hard Drive 256 GB Serial ATA-600
Graphics Coprocessor Intel HD Graphics 4400
Operating System Windows 10
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Fig. 11. Simulated Si1 of the array [15].

The radiation pattern, gain and SLL over the
operating frequency have also been demonstrated in
Figs. 11 and 12. As can be seen from Fig. 12, a narrow
HPBW of 10.4° is acquired over 5.4 GHz - 5.65 GHz
band.

The stable gain at about 17 dBi, and the SLL, which
is lower than -20 dB, are obtained over the bandwidth as
given in Fig. 13. At 5.5 GHz, the gain of 17.5 dBi and
low SLL of -26.0 dB have been acquired. In comparison
with those from theory and the feeding in [21], the SLL
of the array in this paper is 1.79 dB higher (see Fig. 8).
It proves the capability of applying the series fed network
to simultaneously obtain high gain and low SLL arrays.

N T A £ TR B R R 5.40 GHz
5 | ——545 GHy
\ 5.50 Gz
10 —a—5.60 GHz|,
—=—5.65 Cillz

a5 SLL:-20.5.4B_

204 SLL: 72(..0\13\?‘

N

-25

IR i
ol 7ALH A
¥ X

A ALY
ol B i

T T f
0 30 60 90 120 150 180 210 240 270 300 330 360
Theta [degree]

-35

Normalized Radiation Pattern [dB]

Fig. 12. The radiation pattern over different frequencies.

It is noticable that the SLL and gain in the case with
added directors are better compared to that of the array
without directors. Therefore, the benefits of high gain
in Yagi antenna has been successfully leveraged and

employed in this proposal, and approximate 1 dB gain
higher is achieved by using 3 additional directors.

20 T T T T T T
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T
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10 +-15 @
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| 92
© n

\
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\
\
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Frequency [GHz]
Fig. 13. The gain and SLL over the operating bandwidth.

The gain over operating frequency band of the
sample with and without the reflector is shown in Fig.
14. The array with the reflector definitely has higher gain
(about 3 dB) compared to the one having no reflector.
Hence, the use of the reflector has a great advantage in
terms of gain enhancing.

18.0

17.5

17.0

— With Reflector

165 — — Without Reflector

18.0

15.5

15.0

Gain [dBi]

145 =

14.0

135 =
e

13.0

5.2 5.3 54 55 56 5.7
Frequency [GHz]

Fig. 14. Comparison of gain between the array with and
without reflector.

B. Experimental results

The measurement of the prototype has been done
and the measured data has been compared to that of the
simulation.

Figure 15 shows the simulated and measured return
loss of the antenna. It can be seen that the operating
frequency of the antenna is 5.5 GHz with the bandwidth
(at S11 = -10 dB) of 212 MHz.
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Fig. 15. The reflection coefficient of the array antenna.

The simulated and measured radiation patterns in E
and H plane are also compared and presented in Fig. 16.
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Fig. 16. Normalized radiation pattern of proposed array
antenna at 5.5 GHz.

It is clear that simulated data have agreed well with
measured ones. Indeed, the gain in simulation and
measurement are 17.5 dBi and 17.1 dBi, respectively.
Moreover, the low SLL in measurement has been also
achieved with about -25.62 dBi compared to -26 dB from
the simulation. The cross polarization in both simulation
and measurement has also been given and they are both
lower than -20 dB.
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The results in this work have also been collated with
the other works from the literature as shown in Table 7.

Table 7: The comparison between references and this
work

References [9] [16] | [11] | [This Work]
Elementno. | 10x1 | 10x1 | 8x1 10x1
Size (\) |[6.01x1.1| --- --- | 7.7x1.83x0.19
Freg. (GHz) 9.0 60 | 7.54 5.5
Bandwidth
(%) 1.3 36.1 | 31.9 3.9
Gain (dBi) 145 | 15.7 | 15.7 17.5
SLL (dB) -25.3 | -27.7|-23.1 -26.0
Cross-po.
(dB) -25.0 --- |-30.0 -20.0

It can be seen that with the same number of
elements, the proposed array has the gain of 17.5 dBi,
which is higher than that of [9] with just 14.5 dBi and
[16] with about 15.7 dBi. Moreover, the SLL in this work
is 0.7 dBi lower than that in [9] but 1.7 dBi higher than
that in [16]. In comparison with the work in [9], our array
has better results in terms of both gain and SLL, but
honestly the proposed array size is larger than that in [9]
in term of wavelength.

IV. CONCLUSIONS
In this paper, a novel high gain and low sidelobe
level linear microstrip antenna array for outdoor WLAN
applications has been proposed. The design procedure
from the single element to full array construction has
been presented in details. In order to get low SLLs,

Chebyshev weighting method has been deployed in the

feeding network of the antenna. The Chebyshev excitation

coefficients have been obtained in the feed by using the
shunt stubs added at the feed line of each element. The

simulated results show that the array can operate at 5.5

GHz with the bandwidth of 212 MHz and has a high

gain of 17.5 dBi with the low SLL of about -26 dB. A

prototype has also been fabricated and measured to

validate the simulation results. It is clear from the
comparison that simulated and measured data agree well
with each other.
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Abstract — Herein, a series herringbone fed traveling
wave quasi-lumped circularly polarized antenna array is
presented. The proposed quasi-element antenna comprises
a narrow strip inductor parallel to the interdigital
capacitor. The inductor was placed at the center finger
and shorted across the interdigital capacitor with pad
capacitors connected at both ends of the structure.
Circular polarization was achieved by feeding the quasi
elements at the corners with a 90° phase difference along
a travelling wave microstrip feed line. The proposed
quasi-lumped element antenna has the potential to
realize significant size reductions, and it will ultimately
be lightweight, small volume, and inexpensive. The
antenna characteristics of the array antenna, including
return loss and radiation patterns, were characterized.
The size of the antenna structure was 21 mm x 38 mm,
allowing for potential use in wireless communication
systems that use the 5 GHz ISM band.

Index Terms — Array, circularly polarization, gain,
herring fed, quasi lumped, radiation pattern, return loss.

L. INTRODUCTION

In modern communication systems, circularly
polarized (CP) antennas are favored over linearly
polarized (LP) antennas owing to their flexibility in terms
of steering angle between the transmitting and receiving
antenna [1]. CP antennas are more suitable for several
applications including mobile and fixed satellite systems,
remote control, telemetry, wireless communication, and
radar systems in which the multi-path fading, absorption,
and reflectivity are major concerns [1-5].

Over the past two decades, researchers have
developed several CP antennas designs that suffer from
narrow axial ratio bandwidth for lower frequency ranges

Submitted On: November 26, 2017
Accepted On: April 6, 2019

[1-6]. To enhance the CP radiation, different shapes
of patches and slots were prepared, including L-shaped
[3] and lightning-shaped slots [5], and the insertion of
inverted and stepped L- or T-shaped strips was reported
[6,7]. In [7-10], different phase feeding topologies
featuring seven quarter-wave transformers in circular
[3] and circular arc-shaped patterns [8]. An overall
improvement of the CP array performance can be
achieved using the sequential rotation phase feeding
method. A sequential rotation feed network is typically
designed using different power divider circuits.
Furthermore, multi-band and single antenna topologies
have been reported to enhance bandwidth [11-13].

To date, many feeding techniques have been
reported for achieving improved CP properties in
microstrip antenna arrays. For instance, series feed [14],
parallel feed [15], and sequential rotation feed [16]
techniques have been developed. Parallel and corporate
feeds have advantages in terms of excitation networks
for printed antenna arrays and exhibit design flexibility
and facile formation of two-dimensional arrays [15].
However, these methods have some drawbacks during
prototyping, including unbalanced pattern and mutual
coupling effects between the elements and feed network.
The series feed topology represents a more concise
network because it requires shorter transmission lengths
and less junctions, resulting in lower insertion loss.
However, it experiences narrow bandwidth and inherent
phase differences caused by the differences in feed line
lengths [17].

The purpose of this article is to acquire a circular
polarization and to reduce array size. The circular
polarization produced will use the herringbone feeding
technique and the quasi-lumped elements used to reduce
array size.
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Section 2.1 shows the configuration of a single
radiating element. The array used for the herringbone
feeding technique is presented in Section 2.2. In Section
3, the S11 and radiation pattern results are presented.

I1. SINGLE ELEMENT ANTENNA
GEOMETRY

By definition, lumped elements are much smaller
than their respective wavelengths. Thus, microstrip
shorts and stubs with physical lengths of less than a
quarter-wavelength at the operating frequency are
required for approximate microwave operation of
lumped elements in microstrip structures and are referred
to as quasi-lumped. A schematic of the quasi-lumped
element resonator is shown in Fig. 1. Whilst, the
equivalent lumped circuit is shown in Fig. 2. The
proposed resonator antenna consists of a narrow straight
strip inductor in parallel with an interdigital capacitor
[18].
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Fig. 1. The proposed resonator antenna: (a) the allocation
of equivalent lumped elements, and (b) the parameters
used to calculate the equivalent lumped elements.
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Fig. 2. Equivalent circuit of the proposed antenna.

The equation used to determine the resonant
frequency of the proposed antenna has been previously
reported [19,20,21]:

1

f= . (1)

27:[\/(L(cplcp2 /(cpl+cp2))+c)}

From Equation (1), the resonance frequency is
determined by the equivalent lumped elements L, C, ,
Cp, and C. These lumped elements were calculated by
solving Equations (2) to (6) in an iterative manner using

Matlab®.

The inductor L is a single, narrow and straight
conductor positioned at the center. The inductance can
be calculated by Equation (2):

L=200x10"I, {In[ 21,
W,

Lt

+050049+ L | ()
h 3l

L

Where h is the substrate thickness.

The interdigital capacitor, C, is a multi-finger
periodic structure and the capacitance arises across a
narrow gap between the conductors. These gaps are very
long and can be folded to reduce the area and form a
lumped element. The equation used to determine the series
capacitance of the interdigitated structure is Equation

(3):
C=¢, (E'Tﬂj[(N—A)CL]. ®)

Where,
N is the fingers number,

A is the correction factor A = 0.5( W, -W),

W, =1.5x107°, wis the finger width.

The length of interdigital finger C, is calculated by
Equation (4). Whilst, the width of the whole structure is
calculated by Equation (5):

I =C, +g., (4)

w=2x I+ (5)

The parasitic capacitors C,, and C,, connected at
both ends of the structure, act as capacitors to ground. By
adjusting the parasitic capacitors, the resonant frequency



of the resonator can be tuned. Equation to determine pad
capacitances is given in Equation (6):

C = 2.85¢ 4
-
In [1+(1/2)(8h/seﬁ ) (50 )+ o7 ﬂ ,
1
X
25.4x10°

(6)
where h is the substrate height.
The radiating element dimensions were obtained

from Equations (2) — (6). Table 1 shows the dimensions of
a single quasi lumped antenna at the targeted resonance.
The parameters were determined using Equations (2) — (6)
at a resonant frequency of 5.8 GHz, whereas the resonant
frequency was calculated using Equation (1). Table 2
presents the equivalent lumped elements for single quasi
lumped antenna.

Table 1: The proposed antenna quasi-lumped element

parameters
Parameter Dimension [mm]
W 0.35
I, 3.35
C, 3.05
N 8
I 1.23
Je 0.3
w, 1.2
L 5.4
w 5.8
h 0.813
Table 2: The proposed antenna design parameters
C Cr1 Cr2 L
0.347 PF 0.17 PF 0.17 PF 1.74 nH

III. CONFIGURATION OF ARRAY FEED

The proposed herringbone antenna design comprises
four identical resonating elements. These resonators
consist of resonant quasi-lumped elements fed in a
quadrature at a design center frequency of 5.8 GHz.
The resonators were oriented at +45° with respect to
the feeding line. The quadrature feed yields in the
excitations were 90° out of phase. Hence, the technique
naturally exhibits circular polarization [22]. The
resonators were allocated by to achieve a quadrature
phase. In each resonator, the return phase of the
reflection from the second element was 180° out of phase
with the reflected wave from the initial element [23].
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Thus, reflection enhancement is inherently achieved by
the resonator design. The first resonator trigger along the
feed line dictates the leading phase and the circular
polarization orientation. The herringbone antenna has a
shorter feeding line than that of a meandering antenna,
resulting in array size reduction [24]. Figure 3 presents
the prototyped antenna array in CST Microwave Studio.

<—2lmm—>

3I8mm —>

X

Z
Fig. 3. The 5.8 GHz proposed herringbone array.
[Microstrip length is 36 mm].

IV. RESULTS AND DISCUSSIONS
Figure 4 shows the fabricated antenna array on
an RO4003C microwave substrate with a relative
permittivity of 3.38 and a thickness of 0.813 mm.

Fig. 4. The 5.8 GHz prototyped herringbone array.

The simulation and measurement results for the
input return loss are shown in Fig. 5. The minimum
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simulated input return loss for a frequency fine-tuned
to 5.788 GHz was —14.21 dB, whereas the minimum
measured return loss was approximately —15.84 dB
at 5.79 GHz. These results indicate the antenna was
resonating at the designed frequency.

Simulated
Measured

Return Loss (dB)
L on
7

-18 T T T T
53 5.4 5.5 5.6 5.7 58 59 6.0

Frequency (GHz)

Fig. 5. The simulated and measured return loss results.

Figure 6 shows the simulated and measured co-
polarization and cross-polarization patterns in the
xz-plane at 5.788 GHz. Cross-polarization was higher
than co-polarization by approximately 20 dB in the
broadside direction, which is characteristic of left-hand
circular polarized (LHCP) radiation. The gain of the
array was improved to 5.28 dBi compared to that of a
single element, which showed a gain of 1.33 dBi.

300
=70 270

240

210 150
180

""" E-Co-Si sreses E-Cross-Si == E-Co-Measured == E-Cross-Measured

Fig. 6. The simulated and measured results for E-co. and
E-cross. polarized.

V. CONCLUSION

Herein, a novel feeding technique for the
preparation of a CP quasi lumped antenna was presented.
The proposed array was fed by a herringbone microstrip
orienting the elements £45° from the feed line to achieve
CP radiation. A noticeably reduced size of the array was
achieved compared to that of conventional microstrip
antennas. Table 3 shows a notable size reduction
comparing the proposed array with various designs
reported in literature.

ACES JOURNAL, Vol. 34, No. 8, August 2019

Table 3: A size comparison between the proposed design
and several designs reported in the literature

Reference Array Size [mm]
[25] 85x110
[26] 70x70
[27] 70x70
[28] 70x70
[29] 60%60
Proposed work 21x38
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Abstract — In this study, the radiation characteristics of
the control source of extremely low frequency (CSELF)
horizontal line-current antennas are studied by the
reciprocity theorem. The radiation field strength
expressions of the CSELF L-type horizontal line-current
antenna are derived on the basis of a field-direction
coefficient in the spherical earth-ionosphere cavity. The
estimation results of the super low frequency/extremely
low frequency (SLF/ELF) wave are provided with regard
to the conductivity, the propagation distances and the
water-depth. The propagation characteristics of the
CSELF wave are calculated under different conditions
and are compared to Bannister’s method. The
effectiveness of the proposed method is validated by a
case study.

Index Terms — Control source of extremely low
frequency (CSELF), earth-ionosphere cavity, ground
resistivity, horizontal dipole antenna.

I. INTRODUCTION

The control source of extremely low frequency
(CSELF) method is a key technique for underwater
communications and electromagnetic exploration [1-4],
especially for earthquake prediction and oil and gas
exploration. Compared with other electromagnetic
detection technologies, SLF/ELF detection has greater
advantages regarding the detecting depth and precision
and can be applied to geomagnetic high-energy radiation
and underground exploration fields [5, 6]. The effective
radiation of the SLF/ELF electromagnetic wave is a
crucial component of the CSELF method. Horizontal
line-current  antennas have been implemented
extensively as effective transmitting antennas in the

Submitted On: December 24, 2017
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SLF/ELF band. As shown in Fig. 1, a horizontal line-
current antenna is low-slung in a high ground resistivity
region, and grounding electrodes are at the two ends of
the cable, which transmits a sinusoidal alternating
current underground. Thus, a huge amperage current
loop is formed by the tens of kilometers of the cables and
the ground currents. For a long dipole horizontal antenna
with fixed length at a specific frequency, an antenna
ground with high equivalent resistivity can enhance the
effective skin depth. The magnetic moment of the
current loop is large, which is equivalent to increasing
the electrical size of the line-current antenna. Therefore,
the horizontal line antenna can be seen as a horizontal
magnetic dipole (HMD) in the Earth-ionosphere cavity
[7,8].

Generally, the apparent resistivity of the control
source station affects the radiation characteristics of the
ELF electromagnetic waves in the Earth-ionosphere
cavity. A high ground resistivity in the antenna path area
is an important factor to improve the performance of the
SLF/ELF transmission system [9]. The crust is affected
by geological structures such as bedrock strike, gullies,
and fault zones. Hence, the resistivity of the earth’s crust
is actually anisotropic and inhomogeneous [10]. Due to
the constraint of the geological structure, CSELF
horizontal line-current antennas, which may have a
length of up to tens of kilometers, usually consist of
several L-type folded lines. Many numerical analyses
have focused on the geo-electric magnetic field strength
(MFS) and the distribution of the surface-induced
electric field strength (EFS) of the horizontal electric
dipole (HED) [11-13]. However, the radiation field of
the L-type horizontal line-current antenna over
inhomogeneous anisotropic ground has not received

1054-4887 © ACES
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sufficient attention, especially in the ocean environment.
Therefore, this study focuses on the radiation field of the
CSELF and proposes a low-complexity estimation
method for the field intensity of the L-type horizontal
line-current antenna over inhomogeneous anisotropic
ground based on the waveguide theory. Solving the
radiation field of the SLF/ELF provides an approximate
solution for remote sensing of the underground and
underwater environment.

This paper is organized as follows. Section 2 briefly
describes the electrical characteristics of the horizontal
line-current antenna path and proposes the closed-form
solution for the CSELF radiation field of the L-type
horizontal line-current antenna. In Section 3, we present
the calculated results and illustrate the radiation
characteristics of the CSELF L-type horizontal line-
current antenna. The conclusions of this paper are
presented in Section 4.

Transmitter
|

Fig. 1. A horizontal line-current antenna grounded at
each end.

I1. ANALYTICAL FORMULAS FOR THE
CSELF RADIATION FIELD

A. The electrical characteristics of the CSELF
antenna path

Generally, the surface geometries of the antenna path
have no significant influence on the SLF/ELF
propagation. However, the conductivities of the CSELF
antenna path from the land surface to a certain depth have
a great effect on the propagation of the SLF/ELF
electromagnetic wave [14]. Therefore, it is necessary to
study the electrical characteristics of the CSELF antenna
path. As part of the input resistance, the resistance of the
ground loss determines the CSELF radiation efficiency of
the horizontal L-type line-current antenna. In most of the
medium models, the resistivity of the ground is
represented by the horizontal layered structure or the half-
space homogeneous structure [15-18].

A SLF/ELF electromagnetic wave has a deeper skin
depth underground. Hence, it cannot be considered that
the electrical properties of the ground are homogeneous.
In a Cartesian coordinate system, the vertical plane waves
propagate vertically downward (along the positive z-axis).
When the time variation factor is set as e/®%the
electromagnetic waves can be expressed in the x-axis
direction [19]:
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0°E, | 62° —k*E, =0. (1)
k? ~ —jwp,y0o,,, o denotes the angular frequency, g,
denotes the permeability tensor element, and a,; denotes
the conductivity tensor element. When z is infinite, the
general solution of Equation (1) is:

E, =Ae™. )
A denotes a constant. Based on the differential formula of
Faraday's law V x E = —jwpu - H; the component of the
MFS in the direction of the y-axis can be obtained by:
A —kz

H =—————e™. 3
’ ’\/ Ja)/uxlpxl ( )

Using Equations (2) and (3), the impedance of the
plane wave can be represented as:

Ny = _\} WOy Py e jn/4. (4)

P denotes the ground equivalent resistivity along the x-
axis. It can be seen that the wave impedance is closely
related to the resistivity and the ground equivalent
resistivity can be determined by the magnetotelluric
method [20].

B. The estimation method for the CSELF in the
Earth-ionosphere cavity

The total path of the SLF/ELF long dipole antenna
with high power can reach hundreds of kilometers. The L-
type emission source has a higher resolution than the
horizontal long loop source and the ring source [21]. The
ionosphere disturbances have a great influence on the
amplitude and phase of the ELF/very low frequency
(VLF) electromagnetic wave [22-24]. Using a horizontal
line-current antenna as a model, other forms of artificial
sources can be made up of multiple horizontal antennas.
We regard the horizontal line-current antenna as a HED in
the Earth-ionosphere cavity. The radiation field of the
electric dipole is a transverse magnetic (TM) wave. For an
observer located in the far field, the relative wave-number
is k. >1. The effective reflection height of the ionosphere

to the SLF/ELF wave is far less than the wavelength of the
SLF/ELF wave in free space. The MFS component H,. is
very small and negligible compared to the Hg component
and the H, component; therefore, the SLF/ELF
electromagnetic wave is a transverse electromagnetic
(TEM) wave in the far field.

In a flat earth-ionosphere cavity, the vertical EFS
component of the short vertical current source on the
ground can be obtained from the perpendicular EFS
component of a line-current source, which is in an infinite
medium, with an infinite length and a uniform line as in
the following:

ol

——an Ho (Skop). ©)

E,(p) =

I denotes the antenna current, / denotes the length of the
short vertical current source, h; denotes the ionosphere



height, and H(()Z) (Skyp) denotes the second kind of the
Hankel function.

As shown in Fig. 2, the horizontal line-current
source I1;and 11, are placed on the surface of the earth
in a Cartesian coordinate system, and the source Il;
points in the positive direction of the x-axis which
originates from the coordinate origin o. The experimental
vertical electrical dipole (VED) source is placed at the
point o’. When the principal axis of the surface
impedance is regarded as the normal direction of the
x'0"y’ plane in a Cartesian coordinate system, ¢ denotes
the angle between the radial direction and the x-axis and
@' denotes the angle between the radial direction and the
x'-axis. The two sources are set in the same space.
According to the reciprocity theorem [12, 19], the
electromagnetic field produced by the horizontal line-
current sources and the VED satisfies:

[E-frdl = [ H-g1dl" (6)
Based on Equation (6), in the flat earth-ionosphere
cavity, the vertical EFS component of the current source
is given as:
E,'=-E, cosp'=n,H, cosg". @)
E, denotes the horizontal EFS at Il;, produced by the
vertical current source I'l'. In the Earth-ionosphere
cavity, we assume I'l' =Il;. When the distance p
between the field point and source point is greater than
the ionosphere height h;, the location of the field point is
not near the antipodal point. Based on Equations (5) and

(7), the radial EFS of the direct wave can be expressed
as follows:

SRNICIA 7} o
' 4h, i
e ®
pla, @
| H;* (Sk, p) cos ¢.
[Sin(p/ae)} 1 (Skyp)cosg
[ plae
sin(p/ag)

the Maxwell equation, the magnetic field in a spherical
cavity can be obtained as follows:

Lo NSk, (oup YO pla, 7[5 1
~ 4hp (] sin(p/a,) ] | Skyp

HOP (Sk,p)sing+ ¢ ©)

1/2
] / denotes the spherical focusing factor. Using

-{HEP (Skop) ~ = H? (Skop)}cow}

Sk, p
ko isthe wave number, a, is the earth radius, and S is the
parameter of the cavity. Similarly, the EFS and MFS of
the direct wave of the source I, can be obtained by
Equations (8) and (9). However, the field opponent
differs for the source I1, and the source 1, due to the
folded angle. The field-direction coefficient can be
expressed as follows:
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Sf:{(COSWCOS(ﬂ—n—@), 0<gp< /2 (10)

(cosp+cos(z—y, +¢)), —-ml2<¢p<O0.

¥, denotes the folded angle of the nth fold line between
the radial direction and the positive x-axis. We assume
that the angle y is in the range of [n/2,3n/2]. The waves
of the multiple circulations are negligible because of the
attenuation in the cavity. Using the approximate
expression of the Hankel function, we simplify the EFS
expression of the L-type line-current antennas as:

1 P
f1 (27w>5 a, 1e*

|(Er)d| B 2 1
2h; \ ¢ Sin(a%) (0 167_;,)7
ll\/ Pgn €COS @ — an=z ln\/pgn ' (11)
,{COS(yn_l -¢), —m/2<¢<0,
cos(Yn-1+ ), 0<¢ <u/2,

where [,, and pg, denote the length and the equivalent
ground resistivity respectively of the nth fold line, ¢,
denotes the speed of light in a vacuum, and v, denotes
the wave velocity in the waveguide. The approximate
expressions for the radial magnetic field strength can be
derived from the wave impedance and Equation (11),
which is similar to Bannister’s expression [25].
According to Equation (11), when the length of the
antenna is determined, the electrical parameter that
determines the radiation capability of the CSELF
antenna is mainly the ground resistivity of the antenna
path.

Fig. 2. Reciprocal relationship between an L-type line-
current antenna and a VED.

I11. NUMERICAL RESULTS AND
DISCUSSION

In this section, the characteristics of the radiation
field of the CSELF antenna are simulated in detail. As
shown in Fig. 3, using an L-type horizontal antenna as
an example, we assume that the CSELF horizontal L-
type line-current antenna is placed in the xoy plane. The
lengths of the two L-type lines are [; = 80kmand [; =
120 km. The first L-type line is parallel to the x-axis.
The fold angle is y = 150°. A horizontal line antenna
with an equivalent length is placed on the x-axis and is
calculated by Bannister’s method for comparison. A
homogeneous ground with a resistivity of 5000 Q is
selected as the ground dielectric model. The alternating
current of the artificial source is 300 A and the operating
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frequencies are 70 Hz and 130 Hz, respectively. The
effective reflection height of the ionosphere is 75 km.

y

11, (1)
x

(229)

Fig. 3. Simulation model of the L-type line-current
antenna.

The field strength values of the antenna are shown
in Fig. 4. Figure 4 (a) indicates that the EFS and MFS of
the CSELF are increasing with increasing values of the
apparent resistivity at 7000 km. Compared with the EFS
and MFS values of the horizontal line antenna, the fold
line antenna has a lower field strength value. When the
apparent resistivity is above 5000 Q, the field strength
values of the CSELF source do not increase considerably
and the differences in the field strength are less than
3dBV/m in the far field. Therefore, a high apparent
resistivity improves the field strength of the CSELF
source. The frequencies have little effect on the field
strength in the SLF/ELF band. Figure 4 (b) shows that
the field strength of the CSELF decreases as the
propagation distance increases in the Earth-ionosphere
cavity. With a decrease in the frequency, the initial EFS
decreases and the decay rate of the field strength
decreases slightly. Hence, within 7000 km, the higher-
frequency portion of the SLF/ELF wave is better suited
for communication purposes. Beyond 7000 km, the low-
frequency portion of the SLF/ELF should be used to
obtain relatively higher signal strength. Near the air-
seawater interface, the wave on the interface is
dominated by the vertical electric field component. The
communication at sea depends mainly on the horizontal
component of the field strength.
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Fig. 4. (a) EFS and MFS of the CSELF versus apparent
resistivity at x=7000 km, and (b) EPS and MFS of the
CSELF versus the distance.

Figure 5 (a) shows the horizontal component of the
EFS with respect to the propagation distance. Compared
with the EFS values in Fig. 4 (b), the field strength values
of the waves are strongly attenuated by four orders of
magnitude at the air-seawater interface. Figure. 5 (b)
shows that the EFS values of the CSELF are decreasing
with increasing depth. When the SLF/ELF wave
propagates in the single-mode region of the Earth-
ionosphere cavity (2000-8000 km), the higher the
frequency is, the faster the attenuation and the lower the
penetration depth is. The EFS horizontal component of
the SLF/ELF waves exhibits slight differences in
shallow water. However, when the SLF/ELF wave
signals are transmitted to a larger depth, a lower
frequency is required. Considering the limited capacity
of the channel, maintaining a balance between the
penetration and the communication capability represents
a problem of shore based CSELF in underwater
communications.

The simulations indicate that the results of the
proposed method are basically consistent with the results
of the Bannister’s expression. We believe that these
consistencies are mainly caused by the waveguide theory
and the similar simulation environments. The field
strength of the fold line antenna is relatively smaller than
the field strength derived by Bannister’s expression.
Because the fold line antenna is equivalent to the dipole
signed by the red dotted line in Fig. 3, the ¢ angle is
larger for the equivalent antenna than for the compared
antenna. Moreover, the ground conductivity is assumed
as the homogenous ground in the above case. The
numerical solution of the fold line antennas can be
obtained by the equivalent antenna. Therefore, the
equivalent conductivity is regarded as a practical
solution procedure of the inhomogeneous anisotropic
ground conductivity. Note that these simulation results



are obtained under specific conditions (earth-ionosphere
cavity) and that the effect of inhomogeneous anisotropic
ground conductivity on the L-type line-current antenna
requires further study.
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Fig. 5. (@) EFS horizontal component of the CSELF
versus distance at the air-seawater interface, and (b) EPS
horizontal component of the CSELF versus sea—water
depth.

IV. CONCLUSIONS

In this study, the radiation characteristics of the
CSELF in the Earth-ionosphere cavity are investigated
and a novel low-complexity estimation method for the
CSELF with an L-type horizontal line-current antenna is
proposed. Using the reciprocity theorem, the EFS and
MFS closed-form expressions of the CSELF are given in
a spherical earth-ionosphere cavity. A simulation of the
proposed closed-form solution shows that the ground
resistivity of the control source station has a large effect
on the SLF/ELF field intensity in the far field. A high
apparent resistivity improves the field strength of the
CSELF source. When the SLF/ELF waves pass from the
air to the water, the SLF/ELF waves are attenuated
strongly by the seawater surface. The higher the
frequency, the smaller the penetration depth is. It is
verified by a theoretical analysis and simulations that the
proposed estimation method predicts the field strength of
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the CSELF accurately.
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Abstract — A compact wide band and low profile
circularly polarized antenna is presented based on
stepped open-ended slotline in this paper. The antenna is
composed of four open-end-slotted patchs and a feed
network. Four open-end-slotted patchs are sequentially
rotated and vertically soldered on the ground plane of the
feed network, and are excited by a wide band transition
from strip-line to slot-line with short pin in antenna
element. The CP radiation of the proposed antenna is
realized by four output ports of the feed network which
transmit four signals that have equal amplitude with
quadrature phase difference (0°, 90°, 180° and 270°).
Simulation results are compared with the measurements,
and a good agreement is obtained. The measured results
show that the proposed antenna can provide broad
impedance bandwidth of 73.4% (3.5 GHz-7.56 GHz)
(reflection coefficient less than -10 dB), a maximum gain
of 4.74 dBi, and a 3-dB axial ratio (AR) bandwidth of
about 35.1% (3.65 GHz-5.2 GHz).

Index Terms — Circularly polarized (CP) antenna, low
profile, open-ended slotline, stepped slotline, feed network,
wide band.

I. INTRODUCTION

Due to the unique features that circularly polarized
(CP) antenna can increase orientation diversity and
reduce the loss caused by the multi-path effects between
transmitting and receiving antennas, CP antenna has
been researched widely over the past decades. One most
typical example of CP antenna is various shaped patch
with a slight structure perturbation at a specific location
to form two orthogonal linear polarizations with a 90°
phase shift [1-3], but these antennas have inherent narrow
impedance and axial ratio (AR) bandwidth (typically
1%-4%). In order to enhance the bandwidth, commonly
one method is the use of parasitic elements [4-9]. In [4],
a design realizes the circularly polarized performance
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using a stacked arrangement of the corner-truncated
rectangular patch, where AR bandwidth of better than
11% and impedance bandwidth of better than 27% were
obtained. In [5], a micro-strip-fed hexagonal patch with
a slant slot-line is proposed for CP application, where
a parasitic element with different size was introduced
to broaden 3dB AR bandwidth to 5%. Fang et al.
investigated the cut-corner stacked path antenna, in which
a horizontally meandered strip (HMS) feed technique is
proposed to obtain impedance bandwidth of 25.8% and
3-dB AR bandwidth of 13.5% for universal ultrahigh
frequency (UHF) RF identification applications [6]. A
hybrid combination of coupling feed technique and
parasitic element was also introduced to achieve larger
3dB AR bandwidth, such as slot coupling (2.8%) [7],
T-shaped strip coupling (0.98%, 4.275%, 0.8869%, and
1.35% in four distinct bands) [8], and L-shaped strip
coupling (10%) [9, 10]. However, the aperture coupled
antenna needs a reflecting plate to block back radiation,
which increases the complexity of the antenna
configuration. In addition, the effects of the length of
the vertical and horizontal portion of the L-shaped or
T-shaped strip on input resistance and reactance are
dependent, which result in complex design process. It is
seen that though the antennas have a low profile structure,
the AR bandwidth is still very narrow.

Another example of CP antenna is the sequentially
multi-fed-rotated CP antenna presented in [11-15], in
which generally a hybrid feed network need be designed
to provide a relative phase shift of 90 degree and equal
amplitude in the output port. In [11], a 2x2 circularly
polarized stacked patch array was proposed, but only 12%
impedance and 8% 3dB AR bandwidths are achieved.
Single radiation patch fed by a complex feed network
without 100Q isolation resistor to realize a high gain and
wide axial ratio beam-widths was also presented in [12],
whereas only 11% AR bandwidth is achieved owing to
the narrow band characteristic of single patch. In [13],
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Shen et al. presented a low profile CP antenna based on
quarter-mode substrate integrated wave guide, but the
antenna provides the only 5.8% AR bandwidth. It is
important to note that a circularly polarized antenna
array based on anti-podal Vivaldi antenna was proposed,
and exhibits 10-dB return loss and 3-dB AR bandwidths
from 1 GHz to 10 GHz [14]. However, its size is too large,
especially in profile size of 173 mm. A size reduction
based on halved Vivaldi antenna is also presented in
[15], but the profile size of 0.42 4, (4, is the free-space

wavelength at the center frequency) is still large for some
wireless communication systems.

In this paper, we present a wide band and low profile
circularly polarized antenna with a profile size of only
0.194, (4, is the free-space wavelength corresponding

to lowest operating frequency).The antenna is formed by
four sequentially rotated rectangle patches with open-
ended slot-line, and is fed by using four output ports of
feed network to realize the CP performance. The antenna
is studied using the package ANSYS high-frequency
structure simulator (HFSS), which is based on the finite
element method. An antenna prototype is fabricated and
measured to verify the simulation and findings.

I1. PROPOSED ANTENNA
CONFIGURATION AND DISCUSSION
Figure 1 shows the geometry of the overall CP

antenna prototype. In this design, an FR-4 substrate
(dielectric constant = 4.4, loss tangent = 0.02) with a
thickness of 0.8 mm was employed as the system circuit
board and the overall dimension is about 60 mmx60 mm.
A system ground plane with a same size is printed on
the top layer of the substrate, whereas the feed network
resides on the bottom layer of the substrate. The feed
network is composed by the Wilkinson power divider,
90 degree delay line, and 180 degree delay lines, and
brings into sequential rotation of current on the radiation
patch for CP radiation. One end of the 50-Q feeding
strip-line is connected to the inner conductor of a 50-Q
SMA connector for testing the antenna, while the other
end is connected to the Wilkinson power divider. The
external metal shell of the SMA connector is soldered to
the system ground plane.

Four rectangle-supported substrate boards, which
also are fabricated by FR-4 substrate with a thickness
of h=0.5 mm, are integrated together to form a hollow
square-ring wall and are located on system ground plane
vertically. Four rectangle patches are printed on four
exterior face of the supported dielectric wall respectively
and the bottom edge of that is soldered to the system
ground plane, whereas three slot-lines with different slot
widths are etched on each rectangle patch to form a
stepped open-ended slot radiator. On the interior face of
the supported dielectric wall, coupling micro-strip line is

printed and one end of that is extended to couple the
stepped slot-line, and then is connected through the short
circuit pins (E, F, G, H) to the rectangle patch. Other end
of the coupling micro-strip line is connected to the output
ports of the feed network that have equal amplitude with
quadrature phase difference (0° 90°, 180°, and 27Q°). It
should be mentioned that to fix the rectangle-supported
dielectric wall vertically on the system ground plane two
tips on each substrate boards were deliberately made and
inserted into the etched slot on system ground plane, and
the existence of the tip slightly affects the resonant
frequency and radiation patterns, which can be included
in the full-wave simulation.
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Fig. 1. Geometry and dimensions of the proposed
antenna: W=60, w1=7, w,=15, w3=36, w,;=37, wf;=0.31,
wf=0.67, wf;=1.5, L1=15, L,=9.9, L3=3.1. (Unit: mm).

To study the functions of the stepped configuration,
the following cases, i.e., Ant 1(slot-line structure with
metal wall and dielectric wall, which means that four
rectangle patches encircle into a square ring wall
successively), Ant 2 (stepped slot-line structure with
metal wall and dielectric wall) and Ant 3 (stepped slot-
line structure with dielectric wall and four separated
rectangle patches) as shown in Fig. 2, are analyzed. The
simulated results of |[S11| of Ant 1, Ant 2 and Ant 3 are
shown in Fig. 2. It is clear from the figure that Ant 1
produces wider impedance bandwidth owing to the
extension of the effective current path on the metal wall
formed by interconnected four rectangle patches, but the
3 dB AR bandwidth is poor. When the stepped slot-line
structure is used in Ant 1, Ant 2 is formed. Although the
impedance bandwidth is narrower, the axial ratio is
improved. Ant 3 is formed by truncating the vertical edge
of the rectangle patch in Ant 2, which shows that the
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metal wall in Ant 2 is decomposed into four separated
patches with same size. Because coupling between
radiation patches is reduced, Ant 3 achieves better
impedance bandwidth and 3 dB AR bandwidth, as shown
in Fig. 2.

Figure 3 demonstrates the impact of varying the
function of L3 on the reflection coefficient of the antenna.
The figure shows that when increasing L3 the resonance
band is shifted downward, and vice versa, i.e., the lowest
working frequency is 3.82 GHz when L3=0, the lowest
working frequency is 3.65 GHz as the L3 is added from
0t0 3.1 mm, and 3.37 GHz as Ls is increased from 3.1 mm
to 8.1 mm. Therefore, L3 should be selected appropriately
to compromise on good impedance matching and low
profile requirement.
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Fig. 2. Simulated reflection coefficient and axial ratio of
Ant 1, Ant 2, and Ant 3.
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Fig. 3. Simulated reflection coefficient for the proposed
antenna as a function of Las.
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Figure 4 shows the reflection coefficient and axial
ratio performance versus frequency for different w;
when other parameters are kept unchanged. It is clearly
known from the figure that varying the parameter w,
has less effect on impedance matching, whereas w- is
increased from 5 mm to 20 mm, the AR bandwidth are
slightly changed and three lowest AR values (f1, f2, f3) are
produced. It is also observed that with variety of w;
results in significant shifts up of the first resonance (f>),
shifts downward of the second resonance (f2), almost no
change of third resonances (f3). To have a wider and
proper AR bandwidth, the parameter w, needs to be well
optimized.
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Fig. 4. Simulated reflection coefficient and axial ratio for
the proposed antenna as a function of ws..
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Fig. 5. Simulated reflection coefficient and axial ratio for
the proposed antenna as a function of h.

The effect of the thickness of the supported
dielectric wall (h) on reflection coefficient and axial ratio
is illustrated in Fig. 5. It is found that the parameter h
has large effect on the reflection coefficient and axial
ratio. When the parameter h is increased, the curves of
both reflection coefficient and axial ratio are shifted

Axial Ratio(dB)
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downward, and the AR performance becomes worse.
Results have revealed that the best performance is
obtained when h=0.5 mm.

I11. SIMULATED AND EXPERIMENTAL
RESULTS

To verify the effectiveness of the design, a prototype
of the proposed antenna with the dimensions shown in
Fig. 1 was fabricated. A photograph of the fabricated
antenna is displayed in Fig. 6 (a). The radiation
performance of the antenna was measured in an
anechoic chamber using the NSI300V-30X30 far-field
measurement system and The VSWR results of the
proposed antenna are measured using a calibrated
Agilent vector network analyzer N5230A.

Back view

Front view

k.
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— = Simulated| ! 1 1

-40 . b ; ;

3 4 5 6 7 8
Frequency,GHz

(b)

Fig. 6. (a) Fabricated antenna, and (b) comparison of
simulated and measured reflection coefficient of the
proposed antenna.
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1
B |
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A. Reflection coefficient, axial ratio, and realized gain

Measured and simulated reflection coefficient for
the proposed antenna are shown in Fig. 6 (b), which
shows a little discrepancy due to the error of substrate
parameters of the FR-4 substrate and tolerance in
manufacturing. It is seen clearly that the measured
reflection coefficient is less than -10 dB over the
frequency ranges of 3.5 GHz-7.56 GHz (73.4%), which

is complied with simulated results. Figure 7 shows the
comparison between the simulated and measured AR
at broadside direction (+z). The measured 3-dB AR
bandwidth of 3.65 GHz-5.2 GHz or 35.1% is obtained.
Within the frequency range, the measured gain of the
proposed antenna is 2.52 dBi on average and 4.27 dBi at
maximum when the operating frequency is 5.2 GHz. A
gain increased slightly over the operating band is found
experimentally.

B. Radiation pattern

Figure 8 shows the comparison between the
simulated and measured radiation patterns at 3.8 GHz,
4.2 GHz, and 4.95 GHz, in the xz-plane and yz-plane,
respectively. It is seen that the proposed antenna radiates
a right-hand circular polarization (RHCP), and has an
approximately symmetrical radiation pattern across the
operating bandwidth. The symmetrical radiation pattern
should be attributed to the square ring-shaped radiator
and system ground plane, whereas the back lobe and
cross-polarization (left-hand circular polarization, LHCP)
components are unsymmetrical in the working bands due
to the effect of parasitical radiation of feed network and
edge diffraction of compact ground plane. The measured
and the simulated results of the RHCP radiation pattern
are in good agreement, and its maximum beam is always
directed to the +z-axis direction, which have great
advantages in practical applications.
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x Measured axial ratio

Axial Ratio(dB)

Realized Gain(dBi)
o
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Fig. 7. Simulated and measured peak realized gain and
axial ratio.
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Fig. 8. Normalized radiation patterns at three resonant
frequencies: (a) 3.8 GHz, (b) 4.2 GHz, and (c) 4.95 GHz.
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C. Performance comparison

The performance of the proposed antenna is
compared with previous designs in the literature in terms
of fractional bandwidth, AR bandwidth, profile size,
gain, as shown in Table 1. It is seen that our proposed
antenna has the widest impedance bandwidth, while
maintaining a low profile. More importantly, the
designed antenna also shows good circularly polarized
characteristics. From comprehensive view, our antenna
is suitable for practical application environments. The
design in [5] has a small AR bandwidth, though its
profile is smaller than that of our antenna. The antenna
in [12], constructed by using square patch, uses a four-
feed network to equal amplitude and quadrature
phase difference, while its bandwidth is still smaller a
than that of our proposed antenna. The design in [13]
has a very impressive low profile, though its bandwidth
is very small, only 5.8%. Based on Vivaldi antenna
structure, a wideband circularly polarized antenna is
proposed in [15], but the profile size of 0.424; is larger
than that of our antenna. Compared with the works in [16,
17], our proposed antenna exhibits larger bandwidth.

Table 1: Performance comparison between the proposed antenna and other reported CP antennas

Lowest Operating Frequency Impedance AR Profile Size Gain
Reference | VSWR (4, is Referencing Wavelength) | Bandwidth | Bandwidth (mm) (dBi)
1.54 GHz 24.8
[5] <2 ( 11% 5% >6.5
194.8 mm) (0.1274;)
[12] <15 (2488686;';) 19.7% 11% © 0?;; 1) 8.36~9.65
. . L
[13] < (2907266;1";) 8.4% 5.8% " st‘; ) | 58
. . L
[15] <2 (364356;;) 57.3% 41.4% (03462'?1 ) >6.9
: i A
2.8 GHz 0 0 1.6 -
[16] <2 (1071 mm) 34% 34% (0.024,)) 5.3~7.5
3.45 GHz o o 16 _
[17] <2 (86.95 mm) 13.5% 8% (0.024,)) 4~78
. 3.65 GHz o . 155 _
This work <2 (82.2 mm) 73.4% 35.1% (0.194,) 0.69~4.74

IV. CONCLUSION

A low profile circularly polarized antenna based on
stepped open-ended slot radiator has been presented in
this paper. The antenna is formed by sequentially
rotating four isolated rectangle patches with stepped
slot-line, and encircle into a square ring structure, then is
located vertically on a square ground plane. To realize
broadband CP performance, Wilkinson power dividers,
90 degree delay line, and 180 degree delay lines are used
to form a feed network of four output ports with a relative
phase shift of 90 degree and equal amplitude, in which
each output port is sequentially connected to the coupling
micro-strip line on the interior face of the vertical
dielectric wall. The optimized antenna has achieved a

broad impedance bandwidth of 73.4% (3.5 GHz-7.56
GHz) (reflection coefficient less than -10 dB), a maximum
gain of 4.74 dBi, and a 3-dB axial ratio (AR) bandwidth
of about 35.1% (3.65 GHz-5.2 GHz). Moreover, the
antenna is compact and its profile size is only about
0.19 4. The results indicate that the proposed antenna is
an excellent candidate for various wireless systems.
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Abstract — Wearable antennas exhibit numerous
challenges in terms of design and optimization due to the
specific environment in which they operate. Therefore,
the design of such antennas is a non-trivial task, as
multiple constraints have to be satisfied. We present
an algorithm for design-and-optimization of flexible
wearable antennas with high radiation efficiency and low
specific absorption rate, that takes into account the
dielectric loading of the human body. It provides a list
of feasible antenna designs, not just a single solution,
and identifies the optimal wearable antenna design.
Numerical examples on the design and optimization of a
wearable antenna (based on a dipole structure with a
reflector) to demonstrate the validity and efficiency of
the proposed algorithm are given. The optimal antenna
design shows robust on-body performance and provides
a suitable balance between small antenna size (antenna
surface is 2214 mm?), high radiation efficiency (57.73%),
and low value of the maximum 10 g average SAR (0.112
W/kg) on a homogeneous semisolid phantom. Finally,
the optimal antenna design is fabricated. The antenna
performance is studied under different conditions: on a
homogeneous semisolid phantom, on a liquid phantom,
on a three-layer semisolid phantom, on a human arm and
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in the free space. A good agreement between simulated
and measured antenna performance is observed.

Index Terms — Antenna characterization, antenna
design, optimization, radiation efficiency, SAR, wearable
antenna.

I. INTRODUCTION

Body-centric wireless communications (BCWCs)
are held to have the potential to improve the quality of
life and could offer significant benefits in commercial,
military and medical applications, personal entertainment,
and so on and so forth [1-6]. They will also play an
important role in the upcoming era of the Internet of
Things. Such systems provide short range low-power,
and highly reliable wireless connectivity between
devices worn on (or implanted in) the human body, or
between two devices (body-to-body or body-hub) in close
proximity. Consequently, three wireless communication
channels (in-, on-, and off-body) exist.

The wearable antenna and radio wave propagation
constitute the basic elements of the on- and off-body
wireless channel. They determine reliability of the
wireless link and have a great impact on the quality-of-
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service offered by the whole system [7]. Therefore, the
antenna design is a topic of great importance.

The wearable antennas exhibit numerous challenges
in terms of design and optimization. For example, to
achieve a good performance in a BCWCs system the
wearable antenna should be insensitive to the effects of
the human body in order to minimize detuning of the
resonant frequency and degradation of the radiation
efficiency. At the same time, the impact of the wearable
antenna on human tissues also needs to be addressed,
such as the maximum allowed specific absorption
rate (SAR) [8]. The wearable antennas also should be
compact, lightweight, and flexible, possibly allowing for
integration with clothes and garment accessories [9].
Another limitation in the design of wearable antennas in
which substrates are from textiles or polymer materials
is finding of electromagnetic properties of the materials.
In addition, these antennas have to show good radiation
characteristics and high radiation efficiency [4].
Consequently, in wearable antenna design and
optimization problems, several goals (impedance
matching, bandwidth, compact size, high radiation
efficiency, and low SAR) must be satisfied
simultaneously in order to obtain an optimal solution.

An algorithm for flexible and wearable antenna
design has been proposed in [10]. The proposed design
procedure is mainly focused on the selection of the
materials and on the analysis of the antenna structure in
the free space, without to investigate the effect of the
human body proximity on the antenna performance. In
[11] the problem of optimization design of a microwave
wearable antenna jointly with the model of human body
that is located in the proximity of the antenna has been
investigated. The presented optimization procedure uses
full wave simulator based on finite difference time
domain method (FDTD) to improve antenna design with
respect to its impedance matching for several values of
the antenna-to-body distance. In both [10] and [11], the
antenna efficiency is not reported.

Recently, a number of algorithms like, ant colony
optimization (ACO) [12], genetic algorithm (GA) [13,
14], and particle swarm optimization (PSO) [13] have
been introduced for antennas aimed at either improving
the current design or at speeding up the design process
[15]. All of these algorithms are random search
algorithms that are guided by biological principles. They
all maintain a collection of possible solutions and use
biologically based rules to search the objective function
space for the best solution [13]. However, as the number
of variables increase, the search space size grows
exponentially, making it harder for these algorithms to
find a suitable solution [16].

Multi-objective optimization has been presented
for problems with more than one objective and its
application to antennas for ground penetrating radar,
satellite broadcast communications, and RFID tags has
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been reported in [17].

In this work, we firstly propose an improved
algorithm for wearable antenna numerical design-and-
optimization. The algorithm is based on the ideas in [13,
17] and has the advantage to provide a list of feasible
antenna designs and to find the optimal solution that
meets specifications. Next it is demonstrated using a
planar dipole antenna. The presented algorithm can be
quickly adopted in practice and applied to any wearable
antenna structure.

The novelty in our work lies in the fact that we
present a fast design of compact and flexible wearable
antennas with high radiation efficiency and low SAR,
that takes into account the dielectric loading of the
human body.

I1. NUMERICAL DESIGN-AND-
OPTIMIZATION ALGORITHM

In this section in Fig. 1, we describe the proposed
algorithm for wearable antenna numerical design-and-
optimization. The principal difficulty in the design of a
compact flexible wearable antenna is that both the
human body and size miniaturization may affect antenna
performance (such as resonant frequency, bandwidth
and/or radiation efficiency).

Taking into consideration the above factors the first
step in wearable antenna design is the selection of design
goals and stopping criteria. We propose the following
design goals: (1) minimization of the overall antenna
size, (2) minimization of the reflection coefficient
magnitude (|S11|) at the desired resonant frequency (f,.),
(3) maximization of the antenna radiation efficiency
(RE), and (4) minimization of the specific absorption
rate (SAR). The stopping criteria associated with these
design goals can be expressed as: (1) First stopping
criteria: |Si1| < -15 dB at f;, [S12| < -10 dB within the
frequency band of interest, and f_ < f, < fy, (2) Second
stopping criteria: RE > 50 % and SAR < 0.5 W/kg.

The next steps in the wearable antenna design are
the selection of antenna topology and a suitable selection
of materials, both for the conductive and nonconductive
parts of the antenna [18]. A detailed review of available
topologies for wearable antennas can be found in [3,
18-21] and a survey of the different types of materials
for wearable antennas can be found in [3, 18, 21]. As
mentioned above, the wearable antennas should be
designed on flexible materials. Flexible materials like
fabrics, polymers, and papers have been widely used in
the existing wearable antennas. Consequently, the next
important step when designing antennas on fabrics
or polymer materials is a characterization of the
electromagnetic (EM) properties of the materials like
complex relative permittivity and/or permeability, loss
tangent, and electric conductivity.

Once the antenna topology and materials for the
conductive and nonconductive parts of the antenna



are selected and their electromagnetic properties are
characterized, the next step is to provide an initial design
of the wearable antenna. The initial antenna design
has to originate from human experience, knowledge,
innovation [22], and from a set of dimensional formulas.
It includes techniques to design antenna elements and for
generating a set of preliminary input design data for
numerical full-wave EM analysis. Once the initial design
of the antenna is known, the geometrical parameters for
the optimization process have to be carefully selected
and defined. In the next step third stopping criteria
associated with geometrical parameters of the antenna
(lower bound < antenna geometrical parameters < upper
bound) also have to be provided.

Moreover, the design of one antenna for body-
centric communications has to be carried out taking into
account the human body effects [23]. Consequently,
experimental and numerical phantoms of the human
body have to be developed and their EM properties have
to be extracting. A detailed review of various types of
phantoms is presented in [9, 24]. The phantoms shapes,
size, and electrical properties of the tissue-equivalent
liquids are also provided in EN 62209-2-2010 [25], IEEE
Std. 1528-2003 [26], and FCC 865664 D01 [27].

The next step in the numerical design-and-
optimization algorithm is to build a numerical model of
the antenna and phantom taking into account the
electromagnetic properties of the materials. The last step
before launching the EM simulations is the simulation
parameters setup (boundary conditions, excitation,
meshing). This is presented in Fig. 1 through the block
labelled “Preprocessor”. Various numerical methods are
available in the literature, each with specific advantages
and drawbacks, making them suitable for analysis,
modeling, simulation, design and visualization of
wearable antennas. These methods include Finite-
Difference Time-Domain, Integral Equations/Method of
Moments (MoM), Finite Element Method (FEM) [22].

The FDTD is probably the most popular technique
for the analysis of wearable antennas. Reasons for its
popularity include its versatility, low computational
complexity, ability to accurately determine near- and far-
field antenna characteristics over a wide frequency
bandwidth from a single time domain simulation in
the presence of complex materials (anisotropic,
inhomogeneous and frequency dispersive). One drawback
of the FDTD is the approximation of curved surfaces,
due to the “staircasing” caused by the use of cubic cells

[9].

MoM can be applied to structures made either of
good conductors such as a wire antenna or being well
described by an impedance boundary condition. This
method is inefficient for the analysis of wearable
antennas with complex materials (anisotropic and
inhomogeneous) and its numerical cost grows very fast
with increase of the upper corner frequency.
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Fig. 1. A flowchart of the proposed design-and-
optimization algorithm.
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FEM is a frequency domain technique for the
analysis and design of highly complicated antennas. The
advantages of FEM are the flexibility in terms of
modeling any complex geometries, irregular shapes, and
inhomogeneous or dispersive materials. However, for
geometrically and electrically large structures (such as
the human body), the mesh can become very complex
with many tetrahedral mesh cells. This in turn leads to
huge matrices to solve which can require very large
amounts of computer memory.

The optimization procedure starts from a cycle that
selects new antenna design that satisfies the first
stopping criteria (JS;;| <-15 dB at f;, |S;;| < -10 dB within
the frequency band of interest, and f; <f, <fr/), evaluates
it, and subsequently updated numerical antenna model
continues until a threshold is met or when the number of
iterations exceeds a predefined maximum number of
iterations (A = max number of iterations). The optimal
antenna design obtained in the previous iteration of the
optimization procedure is utilized as a starting point for
the next optimization cycle. The cycle selects an antenna
design that satisfies the second stopping criteria and
stops when a threshold (finding the B = defined number
of designs that satisfy second stopping criteria or after a
defined maximum number of iterations) is met.

1. ILLUSTRATION EXAMPLES

In this section, we demonstrate the proposed
algorithm for wearable antenna numerical design-and-
optimization using a planar dipole structure, providing a
compact flexible antenna with high radiation efficiency
and low SAR for on-/off-body communications in the
2.4-2.48 GHz industrial, scientific, and medical (ISM)
band.

The design goals for our first example are: (1)
minimization of the overall antenna size, (2)
minimization of the reflection coefficient magnitude at
fr= 2.44 GHz, (3) maximization of the antenna radiation
efficiency, and (4) minimization of the specific absorption
rate.

The proposed stopping criteria have been applied. In
this example a dipole structure with a reflector has been
selected and used as a candidate for evaluation of the
proposed algorithm. The initial design of the antenna
geometry is based on our earlier work [23] which
demonstrated that the dipole antenna with a reflector is
less affected by the presence of a human body model and
consequently it is suitable for BCWCs.

Figure 2 (a) illustrates the geometry of dipole
structure and microstrip line applied in the design of
the wearable antenna. They are described by means of
10 geometrical parameters. Figure 2 (b) illustrates the
overall geometry of the proposed wearable antenna. It is
comprised of two components: (1) a planar dipole and a
microstrip line which are placed on the first and second
layer of a three-layer flexible dielectric material, and (2)
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a metallic reflector which is placed on the third layer
of the dielectric material. The overall geometry of
the proposed wearable antenna is described by two
geometrical parameters — width (W) and length (L).
Stopping criteria 3 associated with geometrical parameters
of the antenna is defined: 37.5 mm <W < 44 mm and
48 mm < L <56 mm.

(b)

Fig. 2. The geometry of the: (a) dipole structure and (b)
wearable antenna.

A brass foil with a thickness of 0.05 mm (for the
radiating elements) and an aluminum foil with a
thickness of 0.01 mm (for the reflector) are selected and
used for the conductive parts of the antenna. For
nonconductive parts of the antenna a composite based on
natural rubber mixed with kaolin as a filler is synthesized
and used. The rubber composite is selected as the
antenna’s substrate due to its notable features, such as
high flexibility, ability to withstand mechanical strains
and low dielectric loss. The electromagnetic parameters
of the synthesized rubber composite were measured by
the resonant perturbation method which is a well-known
method for extracting electromagnetic properties of
dielectrics, semiconductors, magnetic materials, and
composite materials [28]. The real part of the relative
permittivity is 2.481, imaginary part is 0.015, and the
dielectric loss angle (tand) is 0.006 at 2.56 GHz.

Three different types of the human body phantoms
are developed and fabricated. The first one is a
homogeneous semisolid (gel) phantom with dimensions
100 mm x 47 mm x 117 mm and measured EM
parameters to emulate human muscle tissue (relative
permittivity ' = 40.81 and conductivity ¢ = 2.33 S/m
at 2.56 GHz). The EM properties of the phantom are
in agreement with those of 2/3 muscle [29] (relative
deviation within 15%). The second one is a liquid
phantom. This phantom is widely used in SAR
evaluation and can quite well represent tissues with high
water content. The liquid phantom is a rectangular box
with dimensions 300 mm x 150 mm x 360 mm made of
Plexiglas having 2 mm thickness (phantom shell), filled
with deionized water. The EM parameters of the liquid
numerical phantom at 2.45 GHz are &' = 78.69, c = 1.44
S/m [26] for deionized water and ¢/’ = 2.67, tans = 0.007
for the phantom shell. The third one is a three-layer
semisolid model, consisting of skin, fat and muscle tissue



layers. The EM parameters and thickness of the different
tissue layers of three-layer phantom in numerical
calculation at 2.45 GHz are presented in Table 1 and
assumed to be in [29].

Table 1: Material properties and thickness of three-layer
semisolid phantom in numerical calculation

' c P Thickness
&r (S/m) | (kg/m3) | (mm)
Skin | 38.006 | 1.464 | 1020 10
Fat | 5280 | 0.105 | 918 6.0
Muscle | 53574 | 1.81 | 1040 40.0

The numerical models of the antenna and
homogeneous phantoms (semisolid and liquid) are
simulated in XFdtd (xFDTD, Remcom Inc., State
College, PA, USA) a software that utilizes the finite-
difference time-domain method. Each simulation is
accomplished under the following conditions: a non-
uniform cubic-cell mesh (cell size of 0.5 mm and 5 mm)
and a perfectly matched layer (7 layers) is used at the
boundaries of the computational domain. The 12-field
components approach is used to calculate SAR in the
voxel.

To simplify antenna geometry generation, the
numerical models of the dipole structure and microstrip
line are first optimized on the homogeneous semisolid
phantom and all 10 variables of the geometrical
parameters are updated to meet the design specifications.
The resulting design parameter values have been
achieved in 152 iterations and are listed in Table 2. The
antenna is directly placed onto the surface of the
semisolid phantom, as in Fig. 3 (a).

Table 2: Parameter values of the dipole structure and
microstrip line, which have been optimized by dint of the
proposed algorithm for wearable antenna design

Value Value
Parameter Parameter

(mm) (mm)
L1 12.0 W2 12.0
L2 155 W3 4.0
L3 135 W4 19.0
L4 7.5 T1 15.0
L5 6.0 T2 7.0

Next numerical optimization of the wearable
antenna is performed in two steps. In the first step a
number of solutions (optimized antenna structures) that
satisfy the first stopping criteria are found. These are
obtained through update of the parameters W and L of
the numerical antenna model in an iterative way until a
threshold (the number of solutions exceeds 25) is met or
when the number of iterations exceeds 50. At each
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iteration is generated a new numerical model of the
antenna directly placed onto the surface of the numerical
semisolid phantom and a simulation in XFdtd is
launched. Figure 4 shows the obtained number of 22
solutions. Each point denotes a feasible design solution
with three coordinates. Each design solution is denoted
by the geometrical parameters W (mm) x L (mm) (width
(mm) x length (mm) of the antenna). From Fig. 4, it can
be seen that the antenna size is reduced from 2,464 mm?
to 1,968 mm? (miniaturization ratio of 20%). The designs
are utilized as starting points for the next step of the
algorithm.

Liquid
phantom
filled
with
deionized
water

Antenna

(©)

Fig. 3. Photographs of the fabricated human body
phantoms with a prototype of the wearable antenna: (a)
homogeneous semisolid, (b) liquid, and (c) three-layer
semisolid.

In the next step radiation efficiency and SAR of the
optimized antenna structures are estimated. The cycle
selects antenna designs that satisfy second stopping
criteria. Figure 5 shows the obtained number of 22

1176



1177

solutions (optimized antenna structures) after 40
iterations.

Design 44 x 56 provides the highest radiation
efficiency (60.23%) and lowest maximum 10 g average
SAR (0.103 W/kg) among all designs but no benefits in
antenna size reduction (antenna surface is 2,464 mm?)
and bandwidth. Design 41 x 48 shows a significant size
reduction (about 20%) and bandwidth enhancement
compared with other designs, but it presents also lowest
radiation efficiency (52.54%). Consequently, there is a
large trade-off between the achieved size reduction and
the radiation efficiency. Design 41x54 is an optimal
antenna design that provides a suitable compromise
between the small antenna size (antenna surface is 2,214
mm?), high radiation efficiency (57.73%) and low value
of the maximum 10 g average SAR (0.112 W/Kg) in the
ISM band.

The next verification of the proposed algorithm
involved the design and optimization of a wearable
antenna directly placed on the surface of a liquid
phantom.

The design goals are same as for the first example.
Again, first a number of solutions (optimized antenna
structures) that satisfies the first stopping criteria are
found and utilized as starting points for the next step.

In the next step radiation efficiency and SAR of the
optimized antenna structures are estimated. Figures 6
and 7 show the obtained number of 20 solutions. It can
be observed that the antenna size is reduced from
2,464 mm? to 1,920 mm? (miniaturization ratio of 22%).
Designs 41 x 50 - to - 41 x 56 have the same SAR values
(0.094 W/kg) but they are different in terms of radiation
efficiency and bandwidth. Similarly, as for the previous
example, design 44 x 56 provides the highest radiation
efficiency (59.31%) and lowest maximum 10 g average
SAR (0.059 W/kg) among all designs but no benefits in
antenna size reduction (antenna surface is 2,464 mm?)
and bandwidth.

Design and optimization of the proposed wearable
antenna on the homogeneous liquid phantom lead to
negligible enhancement of the bandwidth and reduction
of maximum 10 g average SAR values compared to the
semisolid phantom. The reason to obtain these results
can be explained by the location of the antenna to the
phantoms. For the semisolid phantom, the antenna
touches to the surface of the phantom, and this makes the
higher SAR values. Compared to the semisolid phantom,
the liquid phantom has a thin shell (2 mm), which does
not allow the estimation of the SAR on the phantom
surface.

The last verification of the proposed algorithm
involved the design and optimization of a wearable
antenna directly placed on the surface of a three-layer
phantom. The design goals and steps are same as for the
first and second example. Figures 8 and 9 show the
obtained number of 22 solutions.
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Fig. 4. A set of solutions satisfying constraints in first
stopping criteria, obtained using the proposed algorithm.
The wearable antenna is placed on a homogeneous
semisolid phantom.
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Fig. 5. A set of solutions satisfying constraints in second
stopping criteria, obtained using the proposed algorithm.
The wearable antenna is placed on a homogeneous
semisolid phantom.
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Fig. 6. A set of solutions satisfying constraints in first
stopping criteria, obtained using the proposed algorithm.
The wearable antenna is placed on a liquid phantom.
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Fig. 7. A set of solutions satisfying constraints in second
stopping criteria, obtained using the proposed algorithm.
The wearable antenna is placed on a liquid phantom.
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Fig. 8. A set of solutions satisfying constraints in first
stopping criteria, obtained using the proposed algorithm.
The wearable antenna is placed on a three-layer semisolid
phantom.
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Fig. 9. A set of solutions satisfying constraints in second
stopping criteria, obtained using the proposed algorithm.
The wearable antenna is placed on a three-layer semisolid
phantom.
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Design and optimization of the proposed wearable
antenna on the three-layer phantom lead to negligible
reduction of the radiation efficiency (from 60.23% on
homogeneous phantom to 56.20% on three-layer phantom
for design 44 x 56) and reduction of maximum 10 g
average SAR values compared to the homogeneous
semisolid phantom.

IV. EXPERIMANTAL VALIDATION

In order to verify the proposed algorithm a prototype
of the selected design 41 x 54 (width (mm) x length
(mm) of the antenna) of the wearable antenna has been
fabricated. The antenna performance in terms of reflection
coefficient magnitude, bandwidth and radiation
efficiency is analyzed under different conditions.

The measured and simulated |Si1| curves of the
optimized design are shown in Fig. 10. The experimental
results are obtained when the antenna is mounted on the
surface on the semisolid phantom and on the shell of the
liquid phantom, as shown in Fig. 3. The results for
antenna performance in the free-space and on human arm
are also presented in Fig. 10 for comparison. It can be
seen that, the measured |Si1| curves agree well with
the simulated curves. Moreover, the antenna exhibits a
measured operating (|S11/<-10 dB) bandwidth of 118
MHz on the semisolid phantom, 119 MHz on the liquid
phantom, 119 MHz on human arm and 95 MHz in the
free space. The simulated operating bandwidth of the
proposed antenna on the semisolid phantom is 88 MHz,
106 MHz on the liquid phantom and 94 MHz in the
free space. A good agreement between simulated and
measured results is observed.

IS111 (dB)

f— nlnuuphnlnlmmlll
[ ~on Semisolid phantom simulate .1\ ¢ i
- nliqullph antom measured \ .

L

"
in
n

T T T T
2.30 238 2.40 245 2.50 2.60

Frequency (GHz)

Fig. 10. The plot of reflection coefficient magnitude of
selected design 41 x 54 when the antenna is placed on
human body phantoms, human arm, and in the free
space.

In addition, Table 3 shows measured and simulated
radiation efficiency, and simulated maximum 10 g
average SAR for design 41 x 54 at 2.44 GHz. In the Fig.
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11 are presented 3D radiation patterns of the selected
design at 2.44 GHz in four different conditions.

Table 3: Radiation efficiency (%) and maximum 10 g
average SAR (W/kg) of the optimized wearable antenna

Phantom | Semisolid | Liquid Three- | Free
Layer | Space

Measured

RE (%) 50.21 49.87 - 58.53

Simulated

RE (%) 57.73 56.55 | 54.60 | 64.36

Simulated

SAR 0.112 0.093 | 0.085 -

(W/kg)

From Fig. 11 can be seen that the 3D radiation
patterns are very similar even with three different body
phantoms except for minor differences in the direction
of the phantom (backward direction). The antenna in
the free space has a 7.23 dB front-to-back ratio, which
increases to 16.27 dB, 17.55 dB, and 23.38 dB when
the antenna is placed on a three-layer semisolid, on a
homogeneous semisolid, and on a liquid phantom,
respectively. In the backward direction the lowest
radiation is obtained for liquid phantom, due to the larger
size and attenuation. The peak antenna gain is 5.565 dBi
on the homogeneous semisolid, 4.570 dBi on three-layer,
and 5.225 dBi on the liquid phantom, while in the free
space the peak antenna gain is 4.504 dBi. The peak gain
of the antenna increases (about 1 dB) when the antenna
is placed on a phantom due to reflections of propagating
waves from the phantom, however the efficiency is
decreased [1].

(@)

Fig. 11. 3D radiotion pattern of selected design 41 x 54:
(a) on the semisolid phantom, (b) on the liquid phantom,
(c) on the three-layer phantom, and (d) in the free space.

V. CONCLUSION
In conclusion, we have proposed a novel algorithm
to design-and-optimization of flexible wearable antennas
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with high radiation efficiency and low SAR, that takes
into account the dielectric loading of the human body. It
provides a list of feasible antenna designs, not just a
single solution and identifies the optimal wearable
antenna design. The proposed algorithm has been
validated using a planar dipole antenna with a reflector
placed on a homogeneous semisolid phantom, a three-
layer phantom and on a liquid phantom. The optimal
antenna design was constructed, and antenna performance
was studied under different conditions. The antenna
shows robust on-body performances. Measured results
demonstrate that a bandwidth of 118 MHz on semisolid
phantom, 119 MHz on the liquid phantom, 119 MHz
on the human arm, and 95 MHz in the free space is
achieved. Moreover, measured radiation efficiency of
50.21%, 49.87%, and 58.53% is realized when the
antenna is placed on the surface of semisolid and liquid
phantom, and in the free space, respectively. Hence,
optimization results achieved with described algorithm
show that antenna size reduction is obtained without
compromise in radiation efficiency, bandwidth and
SAR. The presented algorithm can be quickly adopted in
practice and applied to any wearable antenna structure.

The next step of the research work is to apply
the algorithm in the case of more complex wearable
antennas such a fractal antennas or antenna over a
metasurface.
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Abstract — This research provides a platform to prove
the potential of radio-frequency identification (RFID)
technology for use in hypermarket payment systems. A
2.54 GHz ZigBee-based embedded passive and active
RFID (EPARFID) system was developed to obtain
experimental data and subsequently analyze passive
RFID characteristics. A read rate prediction model based
on materials permittivity value is proposed. Combining
experimental data with analytical electromagnetic
models improved the extrapolation of RFID read rates in
a given environment. The modelling approach is a step
toward the development of a robust methodology to
predict RFID read rates on a complex set of materials.
Results obtained from the proposed prediction modelling
of read rates based on the Friis free space equation by
quantifying uncertainties provide new insights into the
nature of tag read rates.

Index Terms — Relative permittivity, RFID modelling,
RFID on complex materials, RFID read rate prediction.

I. INTRODUCTION

Radio-frequency identification (RFID) technology
is applied to the location and tracking of objects. Thus,
RFIDs are used in a wide range of industrial fields, such
as factory automation, distributed and process control,
traceability management, supply chain management,
real-time monitoring of health, and radiation check [1].
RFID has been recently applied to many location
identification systems to detect the presence of tagged
objects and/or people. Localization using an RFID reader
is important to provide improved and efficient context-
aware services [1]. Most studies related to RFID focus
on the application of RFID technology to provide tag
identification and for tracking purposes only [2].

Considering that studies focus on the development
of a prototype to be applied at item-level tagging for
retail applications, researchers have presented several
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comparisons based on previous literature findings on
the RFID system application to retail tracking systems.
This comparison review aims to determine the accurate
problem encountered in a retail platform. Moreover, the
review will contribute to the research by identifying
priority factors that require attention and providing
potential solutions for problems.

From the reviews [3-6], researchers anticipate and
highly recommend the standardized RFID system for
global application and tag performance (despite the
material surface) as a highly recommended concern.
Thus, the current research was conducted to offer
potential solution for the issues highlighted in the
review.

RFID is related to the procedure of transmitting and
recognizing object in the form of a unique serial number
through the RF wave. The range of an RFID system is
determined by the power emitted by the reader antenna,
the power available within the tag, the type of passive
tag, the orientation of the antenna and the tag, and the
surface of the material on which the tag is placed. The
power available within the tag received from the reader
will be converted into energy to activate the chip inside
the tag. Tagged surface materials also play a vital role,
because they may influence RFID performance in terms
of distance and read rate because of the effect of various
parameters, such as dielectric constant, radiation
efficiency, and radiation impedance caused by the
diversity of material properties [7]. Radio-frequency
(RF) signals contain information that has been
modulated from RF waves. The behavior of RF signals
can be detected and predicted. They can be interfaced
with other signals and react differently to various
materials. Typical material reactions toward RF signals
are reflection, absorption, and attenuation, which reduce
the reliability and performance of RFID systems in terms
of tag detection [8]. This phenomenon limits the
implementation of RFID systems on material-related
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applications. Different materials produce varying read
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Table 1: Review on available RFID read rate prediction

rates in an RFID system. models
Performing experiments on material reaction using Research Input Outcome | Application
the preferred materials is a highly effective means to Title Parameters
obtain the read rate of each type of material. However, Experimental
measuring the read rates of all materials available in data presentation
hypermarkets is economically not feasible and time Pr, Gr, Gt, A ) on critical
consuming. The lack of measured read rate data on a [] and d Undefined aspects of the
material of interest results in the development of power UHF RFID
prediction models. Many models are available for systems
predicting tag read rates [9-13]. Reader: Py, P1,| To quantify
Most models are developed by focusing only on G, Gr,and | the effects
available power in tags, reader-transmitted power, [10] radar cross | on RF tag |RF tag designer
antenna gain, and distance estimation. To demonstrate section of the | material
the eligibility of RFID technology for hypermarket RF tag attachment
application, tag surface material parameters are the Impedance
factors considered in a prediction model. Although matching,
numerous researchers have developed prediction models coupling To obtain
[9-13] (as summarized in Table 1) that can be used to coefficient, power ltem-level
predict tag read rates, uncertainties remain in selecting a [11] and observed by tagging
suitable model that can be applied to research. Thus, impedance- |the tag chip
real-time measurement results should be compared with matching
a suitable prediction model to validate its accuracy. Each coefficient
prediction model has advantages and limitations. A To predict
power prediction model should be modified on the basis To predict |electromagnetic
of limitations observed in existing models. Therefore, EIRP, Greader, power compatibility
determination of measured experimental data is an [12] Su, S22, Sa1, transmitted | performance in
important requirement to select an optimum read rate LF, Rz and X to the chip complex
prediction model. aeronautic areas
The current research aims to develop a multi-band To predict
RFID by embedding the passive and active RFIDs as a Zc (chip input | impedance
single system platform (EPARFID), investigate the impedance) | matching Compact and
eligibility of the developed EPARFID system in [13] and Za | between the | 10W-Profile tag
hypermarkets” checkout payment system, and propose a (antenna input|  reader for metal
suitable modified RFID read rate prediction model to impedance) |antenna and application
predict tag read rate reliability on the basis of the the tag chip
materials’ relative permittivity. RFID (passive system) RFID read
and WSN are integrated into an active RFID (EPARFID) rate RFID system
system to determine the existence of a significant  Proposed | o, o o o | oo icion | developers for
improvement in monitoring. This process will providean ~ EPARFID | ™", =0 (050 B 1 | hypermarket or
opportunity for the RFID technology to work in a System ’ dielectric | SUPPly chain
wireless platform, with a long range, wide area, and in permittivity application

multi-hop communication [6], as shown in Fig. 1.

The passive and active portions in the proposed

| Passive RFID Active RFID |  EPARFID EPARFID system are non-separable. They involve three
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Fig. 1. Passive and active (EPARFID) system layout. are found. During the second part of the communication,



active RFID-related characteristics, such as multi-hop,
throughput, self-healing, and latency were discovered.

Therefore, the actual experiments were conducted to
identify the abovementioned characteristics and provide
standard guidelines for the EPARFID system. On the
basis of these characteristics, the power prediction model
was modified. Moreover, the result was compared with
the actual experiment data to determine efficiency. The
power prediction model parameters focused on the
passive RFID characteristics and not the active RFID. As
stated previously, the segments in the EPARFID system
are non-separable portions, and the research focused
on hypermarket application. Thus, passive RFID
characteristic parameters, such as placement of passive
tag on materials, the materials’ permittivity value, and
the distance between passive tag and reader, become
the main concerns in model modification. This finding
is explained by the fact that the first segment
communication (Passive RFID) of the EPARFID system
affects the second segment communication (Active
RFID) of the system.

This work aims to provide fundamental data on the
design of experiments that involve a complete analysis
related to standard packaging materials available in
hypermarkets.

Many researchers [3, 4, 13-16] acknowledged that
dielectric materials provide significant effects on RFID
reading performance. Their studies are emphasized on
tag surface dielectric permittivity value only. Tag surface
dielectric permittivity value alone is insufficient for this
research as packaging materials in retails contain a
certain filling. Therefore, emphasis on the permittivity
value of the surface (metal, glass, plastic, and cardboard)
and the subsurface (water, powder, and paste) of
packaging materials is an added novelty for this research.
Table 2 presents the relative permittivity values of the
surface and subsurface of the materials involved in this
research.

In practical applications, quantities such as
polarizabilities and scattered thicknesses are not the most
convenient to use. Instead, it is preferable to play with
the permittivity of the components of the mixture. The
most common mixing rule is the Maxwell Garnett
formula, which is written explicitly for the effective
permittivity [17].

The mixing equation for general thin mixture is as
follows:

1)

&j—2¢&¢

Eeff = E¢ T+ 3fe,
where f is the ratio between z—‘ , for the Maxwell Garnett

e
prediction of the effective permittivity of a mixture
with inclusions of permittivity, and ¢; in a background
medium of permittivity, e,. Therefore, ¢; and ¢, are
defined as subsurface and surface relative permittivities,
respectively [17].
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I1. MODIFICATION OF A POWER
PREDICTION MODEL

A simple propagation model is used as a reference
to predict passive tag read rates at difference distances
and tag surfaces. The modelling approach is one step
toward the development of a robust methodology for
predicting RFID read rates on a complex set of materials.
Thus, a power prediction model equation, namely,
equation (2), is modified to determine the power
absorbed by an RFID tag chip. Simple dipole-like
antennas are utilized in all ultra-high frequency (UHF)
passive tags. These antennas can be easily fabricated,
and their size is controlled due to the radiation
wavelength. Efficient power delivery to the chip by the
power available at the tag antenna will maximize tag
performance [18].

In general, the power P, received and available at
the tag antenna output connector can be generally
determined, as follows:

P._P..p.C, 2
where Py is the power at the input connector of the reader
antenna, p is the impedance-matching coefficient
between the reader and its antenna, and C is the coupling
coefficient between the reader’s and tag’s antennas [11].

In UHF RFID systems, critical conditions are met
far from the reader’s antenna, in which the maintenance
of high-power levels is important to activate passive tags
and ensure an observable backscattered signal [14]. Such
configuration allows UHF systems to operate under far-
field conditions at the reader and tag sides. Under these
conditions, the radiated electric and magnetic fields
propagate as plane waves perpendicular to one another
and to the wave propagation direction.

When an ideal matching between the reader and its
antenna (p = 1) is considered, P in Equation (2) (unit:
dBm) changes into the following:

Piapm = Pragm + Gerap + Grag + Pap +

20.logq, (ﬁ), ?3)
where G, and G are the antenna gains of the reader and
tag, respectively; p is the polarization mismatch
coefficient between these gains; and d is the distance
between the reader’s antenna, which is the attenuation
caused by propagation in space.

However, the tag antenna designed for a particular
application, such as for mounting on a metallic surface,
may be incompatible with a different surface, even that
within the same class of products. This phenomenon is
explained by the limit of the antenna’s bandwidth, which
leads to detuning when placed on a material with
dielectric properties outside the design range.

In real-life applications, performance may deteriorate
closer to the reader’s antenna. In general, inferior
performance can be expected with respect to distance,
because parasitic effects (i.e., relative permittivity)
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influence system behavior. Accordingly, this research
focuses on the influence of dielectric permittivity on
RFID read range performance [3]. Thus, the dielectric
permittivity (&) of tagged surfaces is a crucial parameter
that should be included in Equation (3). When the
wave penetrates the permittivity medium with relative
permittivity &, the wavelength becomes the following:

oL (4)

ftosee,
where & is the relative permittivity value of the medium
[18]. Table 2 provides the relative permittivity values of
the materials involved in this research. This research
focuses on the tag surface and subsurface of materials.
Thus, Fig. 2 illustrates the emphasized tag surface and
subsurface.

Tag
Metal, Glass, Tag
Plastic&  a—a--- "'-/ Surface
Cardboard ! & ‘.‘
: '
Passive Tag :
S i
i
RF Wave !
) H
6I
EPARFID
Distance, d
Reader e >
Liquid, paste \
& powder "'\\ Sub Air
Surface
' €o
€

Fig. 2. lllustration of the emphasized tag surface and
subsurface emphasized.

Tag surface permittivity and filling permittivity are
combined based on (1). Tag surface (e.g., metal, glass,
plastic, and cardboard) permittivity value is defined as
environment permittivity &. By contrast, the content of
respective materials (e.g., water, paste, detergent, and
powder) is assumed as inclusion permittivity &. The
value of f obtained for all the combinations is lower than
1. Hence, the respective material permittivity value is
substituted into (1). Table 3 presents the & value
substituted into (4) as the & value based on the respective
material’s surface and subsurface values and the
respective material’s effective permittivity values. The
terms provided in Table 3 are the small form of the
standard packaging material’s surface and subsurface,
that is, MLA means the following: (M) stands for metal
surface, (L) stands for liquid subsurface, and (A) is the

tag type.
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Table 2: Permittivity of respective materials

Materials Dielectric Permittivity, &
Metal (M) 9.7
Plastic (P) 2.5
Glass (G) 8
Cardboard (C) 2
Air 1
Water/Liquid (L) 78
Powder (P) 35
Paste (D) 50

Table 3: Absolute permittivity values of material
combination in the research

Material Surface | Material Subsurface
Terms| (Environment (Inclusion eeff
Permittivity, ee) Permittivity, ei)
MLA 78 66.01
MPA 9.7 35 6.50
MDA 50 39.31
GLA 78 67.76
GPA 8 3.5 4.41
GDA 50 50.00
PLA 78 74.43
PPA 25 35 2.71
PDA 50 50.00
CLA 78 75.11
CPA 2 35 2.50
CDA 50 40.67

A tag is assumed to be readable if P, exceeds a
power threshold P,;,. When P, < P,;,, the available power
is insufficient for the tag to respond [9]. The following is
a summary of the main parameters. Their values are used
to check the power absorbed by the tag at 0.3 m. In this
scenario, the tag is placed on a cardboard filled with
powder. P. = 30 dBm; G, = 8 dB; G, = 2.15 dB; &.¢f =
2.50; x=0.2073 m; d = 0.3 m.

When the preceding parameters are substituted into
(3), the prediction of the power absorbed by the tag is
11.981 dBm. The P, value is higher than Py = —12 dBm.
Thus, the tag is assumed to be readable. The method is
repeated at different distances of 0.5 and 0.7 m, as shown
in Table 4. Figure 3 displays the layout design of the
measurement setup of the embedded passive and active
RFID (EPARFID) system with three different distances.

I11. RESULT AND ANALYSIS OF THE
MODIFIED POWER PREDICTION MODEL

Variations between 0 and 0.3 m, 0.3 and 0.5 m, and
0.5 and 0.7 m were implemented to obtain 10 average
values of the tags that responded and those that did not
respond. On the basis of the average value of the linear



equation, the respective distance was obtained as follows
[19]:

Py = 0.9478ex+ 9.5412 at 0.3 m, )
Py = 0.9478z — 10.549 at 0.5 m, )
Py = 0.9478zeq— 40.459 at 0.7 m. @)

Table 4: Received power level of the tag with respect to
the effective permittivity e, for the distances of 0.3,
0.5,and 0.7 m

Non-Line-of-Sight
Surface + Transmission
Subsurface | & Pt (dBm)
0.3m | 05m 0.7m

75.11 | —2.860 | —5.782 | —13.488
7443 | —2.820 | —5.743 | —13.449
67.76 | —2.413 | —5.335 | —13.041
66.01 | —2.299 | —5.221 | -12.928
4718 | —0.840 | —3.763 | —11.469
46.52 | —0.779 | —3.702 | —11.408
40.67 | —0.196 | —3.118 | —10.824
39.31 | —0.048 | —2.970 | —10.677
6.50 | 7.768 4.846 | —2.861
441 | 9.453 6.530 | —1.176
2.71 | 11567 | 8.645 0.939
250 | 11918 | 8.995 1.289

B

B

B

B

& 0 EPARFID

Tag Reader Rysisn

m § 0.5 )

[ CEEY CEET TEELS Ly TRy KRRRT TR (U OOy TET |

0 10 20 30 40 50 60 70 80 90 100

m - Distance, m

Fig. 3. Measurement setup of the EPARFID system with
three different distances.

On the basis of Equations (5), (6), and (7), the
graphs of the received power level of the tag with respect
to the relative permittivity are plotted for the distances of
0.3, 0.5, and 0.7 m in Figs. 4 to 6. As shown in Fig. 4,
the received power of the tag at all the relative
permittivity values is higher than —12 dBm, which
indicates that 100% of the tag detection is achieved at 0.3
m. As shown in Fig. 5, most of the values are maintained
at a level higher than the threshold value. By contrast,
Fig. 6 shows that the tag with a dielectric permittivity
value of over 50 is not detected at 0.7 m.
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Dielectric vs. Power at 0.3 m
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Effective Permitivity, €
Fig. 4. Dielectric vs. received power of the tag at 0.3 m.

Ten average values obtained from the EPARFID
system and predicted by the proposed model were
compared at distances of 0.3, 0.5, and 0.7 m. In terms of
detection percentage, the EPARFID system and the
modelling achieved 100% at 0.3 m. At 0.5 m, the
detection percentages achieved by the EPARFID system
and the modelling are 90% and 96.8%, respectively. The
detection achieved at 0.7 m by the EPARFID system is
65.5%, and that of the modelling is 68.7%. The
modelling achieves 0 root mean square (RMS) value at
an ideal distance, and the value increases with increasing
distance. At low RMS value, the performance improves.
The distance between the tag and the reader significantly
affects system performance. Thus, higher RMS value is
obtained at a longer distance.

The tag read rate reliability percentages of the
EPARFID system and the proposed model are calculated
as follows:

Read Rate Reliability (%) =
Responded Tag % 100%. (8)
Total Tag

The responded tag in (8) indicates the total number of
tags that successfully responded during the experiment.
Total tag denotes the number of experiment repetitions.
All the experiments were repeated 10 times to obtain 10
average data for analysis.

At 0.3 m, the modelling and EPARFID system
achieved 100% tag detection. Thus, 0.3 m is the optimum
distance between the tag and the reader regardless of the
tag surface and orientation, as shown in Fig. 7.
Moreover, the modelling and EPARFID system
maintained a 100% detection percentage for tag surfaces
with an effective permittivity of 2.5-20 at 0.5 m. The
model and EPARFID system achieved 90% detection
percentage for an effective permittivity of 20-60 and
80% for an effective permittivity of 60 and higher,
as shown in Fig. 8. At 0.7 m, the EPARFID system
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maintained 70% detection percentage for tag surfaces
with an effective permittivity of 2.5-60. Then, the
percentage dropped to 60% and 50% for effective
permittivity of 60—70 and 70 and higher, respectively. By
contrast, the proposed model achieved 80% detection
percentage for an effective permittivity of 2.5-10, 70%
for an effective permittivity of 40-60, and 60% for an
effective permittivity of 60 and higher as shown in Fig.
9.

0 Dielectric vs. Power at 0.5 m
60
£ y =0.9478x - 10.459
@ 50 R?=0.9929
-U_\ —H— Dielectric vs. Power
% 0
g 4 A& e :inear}(Dielectricvs.
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2
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T w0
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;
bt 0 v T T T ]
i 20 40 60 80
-10
-20

Effective Permitivity, £

Fig. 5. Dielectric vs. received power of the tag at 0.5 m.

Dielectric vs. Power at 0.7 m
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Fig. 6. Dielectric vs. received power of the tag at 0.7 m.

——EPARFID O Modelling
120
At distance 0.3m

S
.§' 00 E—1—f—H
o
2
£ 80
@
I
o
< 60
[:1]
-4

40

0 20 40 60 80

Effective Permittivity, €.

Fig. 7. EPARFID system vs. proposed model at 0.3 m.
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The analysis demonstrates that the presence of
dielectric materials on the tag surface can damage RF
signal strength and reduce its read range performance,
because the tag no longer works in free space. A tag
antenna designed for a particular application, such as
mounting on a metallic surface, may be incompatible
with a different surface, even that belonging to the same
class of products. This phenomenon is due to the
bandwidth limit of the antenna. Detuning occurs when
the tag is placed on a material with dielectric properties
outside the designed range. Moreover, the thickness of a
material affects the tuning of dielectric media with
medium to high permittivity and varying thickness
values. Therefore, fixing the distance between the tag
and the reader can be a potential solution for selecting a
standard RFID system and tag that can be applied to
different materials. The analysis proves that the distance
between the reader and the tag is a critical aspect that
requires consideration during system performance. The
optimum performance of the proposed system can be
achieved by maintaining the distance between the tag
and the reader at 0.3 m. As the distance between the tag
and the reader increases, the performance percentage of
the tag decreases or the tag becomes unreadable.

= EPARFID O Modelling  ------ Linear (Modelling)
120

&c\.‘ At distance 0.5m
2
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Fig. 8. EPARFID system vs. proposed model at 0.5 m.
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Fig. 9. EPARFID systems vs. proposed model at 0.7 m.



The analysis indicates that the power data predicted
by the proposed model closely follow the experimental
data obtained from the EPARFID system experiments,
particularly at the ideal distance of 0.3 m. The
confirmation of the closeness of the proposed model
verified that the EPARFID system’s experimental data
can be observed at 0.5 and 0.7 m.

IVV. CONCLUSION

This research successfully validates that RFID
technology does not require line-of-sight transmission to
detect passive tags. The tag detection results are precise
regardless of orientation if the distance between the
passive tag and the reader does not exceed 0.3 m,
depending on the signal quality of the reader. The
relative dielectric permittivity of the materials used in the
experiment significantly affects EPARFID performance.
Materials with low relative permittivity demonstrate
consistent performance than materials with high relative
permittivity. Perceiving trends on how read rate
probabilities vary with distance, power level, and tag
surface relative permittivity for a set of materials is
remarkable. Combining experimental data with
analytical electromagnetic models improves the
extrapolation of RFID read rates in a given environment.
The results obtained from the proposed prediction model
of read rate based on Friis free space equation by
quantifying uncertainties provide new insights into the
nature of tag read rates. Furthermore, confirming the
closeness of the results of the proposed modelling
approach to the EPARFID system experimental data
establishes the validity of the proposed modelling
approach. In conclusion, the findings and discussions
presented by this research possibly serve as a guideline
for improving feasibility and eligibility of the EPARFID
system development and framework and create
awareness for retail application on item-level tagging.
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Abstract — This article proposes a compact design of a
two-section power divider, which operates over an ultra
wideband frequency range of 3-11 GHz. The design
approach of microtrip with slotline at the ground plane is
applied to reduce the size of the circuit and to achieve
wide bandwidth coverage. The rectangular slots are
implemented at the ground plane, which is positioned
symmetrically underneath the second and third arms of
each microstrip quarter-wave transformer to reduce its
length up to 33.34%. These attributes lead to an easily
fabricated 20 mm x 23 mm compact power divider with
a reduced size (by 23.33%). The bandwidth performance
is improved up to 19.4% compared to a conventional
divider. The design is realized by implementing the
Rogers TMM4 substrate and simulated by using CST
Microwave Studio. The power divider is verified by
using a vector network analyzer (VNA). A good
agreement between simulation and fabrication is
achieved in terms of return loss, isolation and
transmission coefficients across the UWB frequency
range.

Index Terms — Microstrip-slot, power divider, two-
section, ultra wideband.

I. INTRODUCTION

Nowadays, the general public desires faster mobile
internet access, the latest communication gadgets, and
unlimited communication and access to information. To
date, avant-garde smartphones and tablets continue
growing in demand, requiring more innovative
multimedia capabilities. Consequently, the forthcoming
fifth generation (5G) of wireless technology, which is
presumed to arrive by 2020, is extensively studied. This
future technology of 5G is expected to offer extremely
high capacity and countless connections of billions of
wireless gadgets with very low latency and response
times. Hence, a massive multiple-input and multiple-
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output (MIMO) and distributed antenna system (DAS)
technology are proposed for the respective indoor and
outdoor applications of 5G architecture. These two
approaches seem to be appropriate solutions for offering
services with high data rates and quality [1]. In addition,
to supporting for this requirement, various extensive
research works are needed in component designs,
including an alternative to a mixer as one of the
important components in the wireless communication
system. Commonly, a mixer consists of active devices
that require a certain biasing circuit that leads to
additional thorough design effort and complexity. Thus,
a six-port network can be used as an alternative to the
mixer-based approach. In contrast to the mixer, this six-
port network can be formed by using only passive
devices, such as a coupler, H-hybrid and power divider.
Therefore, by having this network in the wireless
communication system architecture, the complexity of
the design can be reduced and, consequently, can
increase the performance of the bandwidth.

The power divider is one of the important
components in a six-port network, which requires a lot
of effort to increase the bandwidth. One method has been
introduced [2] that implements a multilayer technique
formed by a microstrip-to-slot-to-microstrip transition.
The design shows that the UWB operating frequency
range from 3.1 to 10.6 GHz is achieved; however, the
performance levels are degraded due to misalignment
problems and the existence of an air gap between the two
substrates [3]. Another method for achieving the desired
wideband performance entails the use of a multi-section
power divider [4]. To enhance the bandwidth performance
and reduce the size of the circuit in a multi-section power
divider design, a few other methods are added, such as
compensation circuit [5], coupled line [6], combination
of a coupled line and quasi-lumped element [7], least
squares method [8], stub [9-11] and additional capacitance
and inductance element [12].
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Guo et al. proposed a novel design of a power
divider, in which a coax balun transformer is used to
replace the isolating resistor between the two output
ports [5]. This technique increases the simulated
bandwidth performance coverage from 490 to 830 MHz.
However, the use of the coax balun transformer and
dummy load in the proposed design leads to difficulty
and complexity in the circuit design. In [6], a two-section
coupled-line coupler at each of the quarter-wave
transformer was proposed. The isolation performance of
this design was improved up to 40 dB. However, the
performance was limited to the narrowband frequency
range. To overcome the bandwidth limitation by the
design that was introduced in [6], Gruszczynski et al.
proposed the quasi-lumped element technique for a
multi-section coupled-line Wilkinson power divider
design [7]. The structure is composed of a three-section
coupled line with a quasi-lumped element approach. A
wideband frequency response of 0.6 to 2.5 GHz and a
small size circuit were achieved. However, to obtain the
highest self-inductance per unit length, the width of the
coupled strip at each coupled-line section had to be as
narrow as possible to provide the shortest length of the
coupled lines, which led to difficulties in the fabrication
process. Meanwhile, in [8], Oraizi and Sharifi introduced
a design and optimization procedure based on the
method of least squares (MLS) for a multi-section
Wilkinson power divider. The significant parts of the
proposed method and design were that the performance
of the phase difference between the two output ports
operated well in a designated frequency band and that a
minimization of the insertion loss could be incorporated
into the expression of the error function. However, the
performance was too narrow, which cover only 0.5-2.5
GHz.

The proposed power dividers in [9-11] utilized
open-circuited stub on each branch in the designs. Design
in [9] and [11] demonstrated good UWB performance
from 3.1 to 10.6 GHz with well transmission coefficients,
return losses and isolation. In contrast to [9, 11], design
in [10] exhibited narrowband performance. Another
UWB power divider reported in [12] was constructed
using two sections of a four-way Wilkinson power
divider, with one input port and four output ports. In
addition to good UWB performance, band rejection was
achieved in the design by using a symmetric spiral defect
ground-slotted (DGS) structure. Even though [9, 12]
offer UWB operation, the methods used has produced
larger size circuits compared to the conventional two-
section power divider. While [11] has compact size but
its resistors that positioned further apart from the
transmission may lead to fabrication difficulty.

Hence in this article, a new compact two-section
UWB power divider formed by a microstrip-slot is
proposed. By implementing this technique, a compact
size of the power divider circuit with excellent ultra
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wideband performance from 3 to 11 GHz is achieved.
The use of the microstrip slot in the design leads to the
reduction of the quarter-wave transformer length of the
power divider up to 33.34%, which consequently results
in a reduced-size circuit. The initial dimension was
calculated by using mathematical equations, as described
in [4], which were obtained by using even- and odd-
mode analysis. The design of the two-section power
divider utilized a Rogers TMM4 substrate with the
following features: 0.508 mm thickness, a dielectric
constant of 4.5, a loss tangent of 0.002 and conductor-
coating thickness of 35 pum. The design and simulation
were performed by using CST Microwave Studio, in
which the time-domain solver is specifically applied.
Meanwhile, open boundary and waveguide ports
were chosen to be used in the simulation. Then, the
measurement was conducted by using a vector network
analyzer (VNA).

1. UWB POWER DIVIDER DESIGN

The configurations of the proposed power divider
design are shown in Figs. 1 and 2. The design consists of
two conductive layers: a top and bottom layer. The top
layer incorporates the microstrip line with three ports,
Port 1 (P1), Port 2 (P2), and Port 3 (P3), whereas the
bottom layer consists of two rectangular-shaped slots
underneath the microstrip lines. These microstrips and
slots form two-section quarter-wave transformers. The
rectangular-shaped microstrip line and slot are chosen
to minimize fabrication errors since the fabrication
is performed manually. Between each section of the
quarter-wave transformer, two resistors (R1 and R) are
used to ensure that good isolation is achieved between
the output ports, and any reflected power is dissipated
at a wider frequency range. The width and length of
the microstrip presented are denoted as Wy and L,
respectively. Meanwhile, the width and length of the slot
are denoted as Ws and Ls.

Fig. 1. The perspective view of the UWB two-section
microstrip-slot power divider.



Figure 3 shows the equivalent circuit of the
proposed designed power divider, which consists of
impedance (Zo), a capacitor (C), and a resistor (R) [4].
As observed from the figure, the circuit is divided into
two output arms, in which each port has two fringe
capacitances, Cq located between the slot edges at the
ground plane in the air region. The fringe capacitance,
Cy for the output arm P2 and P3, are denoted as Cg:
and Cg, and Cgs and Cgs, accordingly. Meanwhile, the
parallel-plate capacitances, Cpi, Cp2, Cpa, Cpa, Cps, and
Cps denote the vertical capacitance between the top layer
microstrip line and the ground plane.

Port2

(@) (b)

Fig. 2. The detail configuration of UWB two-section
microstrip-slot power: (a) top and (b) bottom view.
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Fig. 3. The equivalent circuit of UWB two-section
microstrip-slot power divider.

The characteristic impedances of the two-section
quarter-wave transformers, Z; and Z,, are determined
through the binomial approach of the multi-section step
impedance matching technique [4]. A binomial is chosen
to obtain the maximal flat transmission coefficients of
S21 and S31 across the designated frequency band. To
calculate the value of Z; and Z», the value of Z./Zy, must
be known. The Z,/Z, value can be computed through an
even-mode analysis. As explained in [4], for the even-
mode excitation, there is no current flow through the
resistor R; and R». The value of Zy is assumed to be 50
Q and the Z, to be 2Zy, and Z,/Z, is equivalent to 2.
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Thus, the characteristic impedance of Z; and Z; can
be computed from the respective equations (1) and (2)
that redefined from the binomial multi-section step
impedance matching equation in [4]:

InZ,=Inz,+2°"C Ini, (1)
ZO
-N~N ZL
InZ,=InZ,+2"C, InZ—, )

0
where N is the number of sections of the quarter-wave

transformer. The binomial coefficients, C, can be
obtained by using equation (3) [4]:
N!
Cl=—"—,
" (N-n)in! ©)

where n are 0 and 1. Note that, in this case, N is 2 and
the required binomial coefficients from equation (3) are
CZ=1and C?=2. Therefore, the computed Z; and Z,
from equations (1) and (2) are 84.09 Q and 59.46 Q,
respectively.

The value of the resistors, R1 and Rz, can then be
obtained by performing the odd-mode analysis, wherein
the odd-mode analysis, a null voltage is excited along the
middle of the circuit. This excitation ensures that the two
points on the mid-plane are grounded. By simplifying the
circuit, the R, and Rz can be calculated by using equation
(4) and (5), accordingly [13]:

22,7
Ri= — (4)
J(Z:+2,)(2,-Z, 00t 0)
4RZ,(Z,+Z,)

2 = ]
JR(Z,+2,)-22,
where ¢ can be obtained by using equation (6) [13]:

Vg 1(f,—f
“E[l‘fz(—fﬁnﬂ' ©

where f; and f, are the start and stop frequencies of
the designated band, respectively. Thus, the calculated
values of the resistors R; and R, are 123.0 Q and 201.91
Q, accordingly.

As stated in the proposed design description, which
is illustrated in Figs. 1 and 2, the two sections of
the quarter-wave transformers with the characteristic
impedance of Z; (84.09 Q) and Z, (59.46 Q) are used to
achieve the bandwidth specification. This two-section of
the quarter-wave is formed by a microstrip line with two
rectangular slots underneath. This microstrip line with a
slot underneath is named the microstrip-slot line, with
the characteristic impedance of Zns. The relationship
between microstrip-slot impedance, Zn-s with the width
of the slot, W and microstrip line impedance, Zn, can be
expressed as in equation (7) [14]:

Z,  =1820W7+Z,, )

®)
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Table 1: Analysis of the effective length of the microstrip-slot quarter-wave sections 1 and 2 that correspond to the

electrical length, 6= 90°

Effective Length of Parameters

Microstrip-slot Quarter-wave Operating Center Microstrip-slot | Theoritical-slot
Sections 1 and 2, 8= 90° Frequency Frequency, fc Wavelength, Ams | Wavelength, As

12.46 mm 1-4GHz 2.5 GHz 49.8 mm 72.4 mm

6.23 mm 1-7GHz 4 GHz 24.9 mm 45.2 mm

4.15 mm 3-11GHz 7 GHz 16.6 mm 25.8 mm

3.15mm 4-14 GHz 9 GHz 12.6 mm 20.1 mm

2.49 mm 6 - 16 GHz 11 GHz 10.0 mm 16.4 mm

This equation is derived by using the completing
square curve fitting method. However, the equation is
only valid for microstrip-slot impedance, Zn.s ranging
from 40 Q to 100 Q, dielectric permittivity, & between
2 and 5 and a substrate thickness, h of 0.508 mm. In
the case of this proposed power divider design, the
characteristic impedance of the microstrip slots, Zm.s
are Z; (84.09 Q) and Z, (59.46 Q), which correspond
to sections 1 and 2 of the quarter-wave transformer. In
contrast, the characteristic impedance of microstrip line,
Znm is set to be 57.38 Q that analogous to the microstrip
width, W1 = 0.7 mm. According to these values of Z;,
Zy and Zn, the computed slot widths (Ws and Ws,) of
each section using equation (7) are 0.65 mm and 1.34
mm, respectively. Then, by using the obtained value of
W1 and Ws,, the impedance of a slot can be determined
by implementing equation (8) [15]:

Z, =73.6-2.15¢, +(638.9-31.37¢, )(W, /h)*

W, /h
3623/ +41—225)S—+ ,
( ’ W, /h+0.87¢, -2

0.51(z, + 2.12)(%j|n[%J_0_753 & (/)

. Th

where h and 4o are 0.508 mm and 46.15 mm, respectively.
The formula in (8) is valid for the case of dielectric
constant (er) ranging from 3.8 to 9.8, 0.0015 < W/Ao <
0.075 and Wy/h > 1.67. By applying equation (8), the slot
impedance of each section is obtained to be 157.81 Q
and 125.83 Q, respectively. In addition, the widths of the
microstrip line at the top layer of the proposed design
(Wm and W) can be obtained using (9) by setting the
values of the microstrip-line impedance (2Z) as follows:
the quarter-wave transformer (Zm) is equivalent to 57.38
Q, and characteristic impedance (Zo) is equivalent to 50

Q [4]:
W, 2{ 3777 —1—In[ 3777 _1]

h 7|2z s YN
$ETI 3TT2 414039 291
2¢, 22\/? £

)

©)

where i = 1, 2. Therefore, the values of W, and Wy
obtained from equation (9) are 0.7 mm and 1.069 mm,
respectively. Once the initial dimensions of the proposed
two-section power divider have been obtained, the
optimization is carried out using CST Microwave
Studio. Due to the limitation of available commercial
resistors in the market, R; and R; are set to be 130 Q and
200 Q, respectively, despite the calculated values from
(4) and (5). The details of the optimized microstrip and
slot width dimensions of the proposed design are given
as follows: W1 =0.7 mm, W = 1.07 mm, Wy = 0.65 mm,
and Ws; = 1.34 mm. The effective length of the two-
section quarter-wave, Lmi, Lmz L and Lsy (which
correspond to an electrical length of 8=90°), is according
to the designated operating frequency. To obtain the
length of the two-section quarter-wave transformer that
formed by the microstrip-slot lines, a simple analysis
was conducted, which is summarized in Table 1.

By having an optimized microstrip and slot widths
that represent the characteristic impedances, the length
of the microstrip-slot quarter-wave sections 1 and 2 are
varied to observe the changes in the operating and center
frequency. In any wideband microwave design, this
center frequency is used as the designed frequency
accordingly. Similar lengths of section 1 and 2 are
considered, which concern the lengths of 12.46 mm,
6.23 mm, 4.15 mm, 3.15 mm and 2.49 mm. The increment
of length, as expected, shifts the operating and center
frequency to the higher range. Then, the microstrip-slot
wavelength, Ams is compared to the theoretical slot
wavelength, 4. In this analysis, slot wavelength, As is
used, as its effective permittivity, s, does not depend
on the slot width and thickness of the substrate. This
contrasts to the microstrip wavelength. The slot
wavelength, A, can be computed from (10) [2]:

c
A = ,
fC \ﬁges
where &s = (& + 1)/2 and the speed of light, ¢ = 3 x 108
ms™. Therefore, by referring to Table 1, microstrip-slot
wavelength, Am.s is approximately 0.62 of slot wavelength,
Js. Consequently, the microstrip-slot effective permittivity,

(10)



&m-s and microstrip-slot wavelength, An.s can be estimated
from (11) and (12):

&, =13 +1), (11)
C
A =
SR (12)

Hence, the initial sections 1 and 2 lengths of the
microstrip-slot quarter-wave can be computed from (12).
Then, the optimization is performed to obtain the optimal
effective length. The optimized length dimensions are
Lmi = Lmz = La = Ls2 = 4.153 mm, while the lengths to
ports are Limsz = 9.65 mm and Lns = 10 mm. The overall
size of the proposed design after the optimization is
20 mm x 23 mm. When all the requirements are met,
the design is fabricated and tested. The simulation and
measurement results of the proposed design are
discussed in the next section.

I1l. RESULTS AND DISCUSSION

The prototype of the proposed UWB two-section
power divider and its measurement setup using a VNA
are presented in Fig. 4. Surface mount resistors, also
known as SMD resistors, of 130 Q and 200 Q are used
as R1 and Rz in this prototype, respectively. Referring
to the measurement setup, the concerned ports are
connected directly using special high-performance
cables to the VNA, whilst other ports are terminated
using an ultra wideband 50 Q termination. Then, the
obtained measurement results plotted in Figs. 5 and 6 are
compared to the simulated ones and discussed.

VNA

50 ohm
termination

(b) ) ©

Fig. 4. (a) Top, (b) bottom view of the proposed UWB
two-section power divider prototype, and (c) its
configuration of measurement setup using a vector
network analyzer (VNA).
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Fig. 5. Simulated and measured performance of the
proposed UWB two-section power divider: (a) S21 and
S31, and (b) S11 and S23.
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Fig. 6. The simulation and measurement results for phase
difference between two output ports of the proposed two-
section power divider.

The measurement and simulation performance
levels of the transmission coefficients S21 and S31 are
shown in Fig. 5 (a). It is noted that the results of S21 and
S31 for simulation and measurement show almost
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similar performance levels of -3.55 + 0.15 dB and -3.8 £
0.5 dB across 3 to 11 GHz, accordingly. Meanwhile, Fig.
5 (b) shows the simulated and measured results of the
S11 and S23 of the proposed two-section power divider.
By referring to the plotted simulation results, S11 and
S23 are less than -10 dB for the whole band covering
3-11 GHz, whilst both the S11 and S23 results are lower
than -10 dB for the same designated band. Furthermore,
the simulation and measurement results for the phase
difference between port 2 and 3 are depicted in Fig. 6.
The plotted phase difference performance indicates
the obtained simulation of 0° + 0.2°. Meanwhile, the
measurement result shows a comparable performance
with a slight degradation of 0° + 2° across 3 to 11 GHz.
Then, the simulation and measurement results of S11,
S21, S31, S23 and the phase difference between port 2
and 3 are summarized, as shown in Table 2.

Table 2: The comparison of the simulation and
measurement results of the proposed two-section power
divider

Parameter Simulated Measured
Performance Performance
S11 <-12dB <-10dB
S21 and S31 -3.55+0.15dB | -3.8+0.5dB
S23 <-10dB <-10dB
Phase difference
between Port 2 0°+£0.2° 0°£2°
and 3

Referring to Table 2, it can be noted that both
simulation and measurement results exhibit a good
relative agreement even though there are slightly
obvious differences due to the imperfect fabrication that
was done in-house and additional losses contributed by
the used connectors, terminations, and resistors. However,
both simulation and measurement performances are
acceptable and comply with the optimal power divider
requirement across the designated UWB frequency
range of 3-11 GHz.

Moreover, it is important to compare the proposed
two-section microstrip-slot power divider to the
conventional  two-section power divider. The
conventional power divider is designed at a center
frequency of 6.85 GHz, which is similar to the proposed
power divider. The comparisons are summarized in
Table 3. In the conventional two-section power divider
design, both section quarter-wave transformers have a
length of 6.23 mm, which corresponds to a quarter-
wavelength of microstrip Am/4 and an electrical length of
6 of 90°. By implementing the rectangular-shaped slot
underneath the microstrip line to form the quarter-wave
transformer into the proposed power divider design, the
length of both quarter-wave transformers can be reduced
to 4.153 mm, which is equivalent to Am-s/4. This is due to
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the defections in the ground layer that disturb the current
distribution in the ground plane and at the same time
increase the effective inductance and capacitance of the
microstrip line [16]. This contributes to reducing the size
of the power divider circuit up to 23.33%. In addition to
that, the bandwidth performance is improved up to
19.4% compared to the conventional two-section power
divider.

Furthermore, as observed in Table 3, the
conventional power divider design has a narrower
microstrip line width at the section 1 quarter-wave
transformer, which is 0.28 mm. To ensure that a very
strong performance is achieved by the proposed power
divider, precision fabrication is required. This very
narrow microstrip line may lead to difficulty in the
fabrication stage with a limited in-house facility. By
introducing the rectangular-shaped slot at the ground
plane underneath the microstrip line to form the quarter-
wave transformer, a wider microstrip line of 0.7 mm
can be used, which indirectly offers a better degree of
fabrication tolerance. To maintain the impedance levels
of each section of the quarter-wave transformer at
59.46 Q and 84.09 Q, each slot needs to have different
widths, which are 0.65 mm and 1.34 mm, respectively.
Thus, the microstrip-slot lines are obliged to have higher
impedance due to the increment of its effective
inductance and higher slow-wave factor compared to the
conventional transmission lines [16].

Nonetheless, by concerning its size reduction and
operating frequency, the proposed design is compared to
the other related and published works in [2, 7, 10, 11].
By referring to Table 4, the proposed design has the
broadest bandwidth of 9 GHz that covering 3-11 GHz
with comparable small size as the design in [11]. The
designs in [2, 6, 10] have larger size with narrower
bandwidth. Therefore, the implementation of the
microstrip-slot technique in the design has realized the
goals of size reduction and bandwidth enhancement.

Table 3: The performance comparison between proposed
and conventional two-section power divider

Conventional | Proposed
Parameter Power Power
Divider Divider
Microstrip | Section
line width of | 1 0.28 0.7
guarter-wave Section
transformer 5 0.65 0.7
(mm)
Length of | Section 6.23 4153
quarter-wave 1
transformer | Section 6.23 4153
(mm) 2
Size circuit (mm?) 20 x 30 20 x 23
Bandwidth (GHz) 3-9.7 3-11
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Table 4: Comparison of the proposed design with the related and published works in [2, 7, 10, 11]

. . . % Claimed Size | Operating Frequency
Design Technique Size Reduction (GH2)
Proposed . L 0 3-11
Design Microstrip-slot 20 mm x 23 mm 23.33% (BW = 8)
. . . Not specified 2-6GHz
[2] Multilayer microstrip-slot 24 mm x 40 mm (larger) (BW = 4)
[6] Coupled-line 633 mmx221mm | Ot specified 2.4
(smaller)
. fi = 0.450 and
[10] T-shaped step impedance | 5g ) 56 mm 53% f,=kf, , where (k = 6.3,
transmission line
6.7 and 7.3)
Small length transmission . Not specified 3.1-10.6
[11] lines and open-circuited stubs Not specified (comparable) (BW =7.5)

*BW = Bandwidth

1V. CONCLUSION

The design of a compact UWB two-section power
divider by implementing the microstrip-slot technique
was presented in this article. The microstrip-slot
technique, which includes a rectangular-shaped slotline
underneath each quarter-wave transformer section of
two microstrip output arms, led to the reduction of the
circuit size up to 23.33% compared to the conventional
power divider. The power divider was fabricated and
practically tested in the laboratory. The fabricated power
divider showed good results in terms of return loss,
isolation, transmission coefficients and phase difference
between the output ports over a UWB frequency band
range between 3 and 11 GHz. Additionally, a bandwidth
improvement of 19.4% was demonstrated by this
proposed power divider. Hence, this power divider is
suitable to be used in many wireless applications that are
in high demand nowadays, and that high demand is
expected to continue in the future.
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Abstract — Most reported metamaterials are designed
empirically by parameter sweep, which is time-consuming
and ineffective. We propose an optimization method of
designing metamaterial absorbers based on an improved
adaptive genetic algorithm (IAGA), with the aim to get
wideband absorption. Firstly, an IAGA optimization
model is presented, of which the crossover probability is
adaptively adjusted by introducing a nonlinear function,
and the mutation probability is adaptively adjusted using
complementary idea. Then, a wideband triple-layer
metamaterial absorber in THz region is designed and
optimized using IAGA, getting about 40.4% increasing
of relative bandwidth compared with the results of
reference [19]. A further comparison between IAGA
and standard genetic algorithm (SGA) indicates that the
IAGA is an effective method in improving convergence
speed and stability, and can be used to optimize structure
parameters of metamaterial absorbers with desired
characteristics.

Index Terms — Absorber, adaptive genetic algorithm,
metamaterial, optimization.

I. INTRODUCTION

In recent years, metamaterials have been
investigated extensively by researchers all over the
world. Metamaterials are artificially synthesized periodic
structures with lattice constant that is much smaller than
the wavelength of the incident electromagnetic wave,
thus can be considered as effectively homogeneous
media [1]. The effective parameters (¢(o) and p(w)) can
be tuned and controlled by the design of the resonance
structure of unit cell. Thus, metamaterials can achieve
many interesting and exotic electromagnetic properties
or phenomena, and can apply to absorbers, frequency
selective surfaces (FSS), gradient meta-surfaces,
electromagnetic band gap structures(EBG) and artificial
magnetic conductors(AMC) [1-8], etc. In 2008, the
concept of prefect metamaterial absorber was proposed

Submitted On: October 12, 2015
Accepted On: April 6, 2019

by Landy et al. [5], of which the perfect absorption
mainly arises from locally enhanced fields because of
the strong electromagnetic resonance. The electric and
magnetic responses can be tuned independently so as the
impedance matches to that of free space by varying the
geometry of metamaterial absorbers.

However, most reported metamaterial unit cells are
obtained empirically based on intuition, experience or a
large number of simulation, which is time-consuming,
ineffective and expensive [1-3,5,7]. Usually, in the design
process of a new device, optimization methods play
important roles in assisting the designer to find the best
solution efficiently. These methods vary in the design
variables on which they performed. There are three main
categories of methods. The first one is the parameter
optimization method, which uses design parameters to
get a solution whose geometry has been pre-defined by
the designer; The second one is the shape optimization
method, which changes the boundary between each sub-
domain whose topology is defined by the designer; The
third one is the topology optimization method, which
uses parameters to describe material distribution inside a
design space. All the above optimization methods are
built on mature optimization algorithms such as genetic
algorithm (GA), particle swarm optimization algorithm
(PSO), and ant colony algorithm (ACA). GA is one of
the earliest algorithms which applied to the optimization
design of metamaterials [4-14]. In GA, the biology
evolutionary steps are simulated by taking biological
evolution process as the background, and the concepts
of propagation, hybridization, variation, competition and
selection are introduced. As GA uses a lot of evaluations
during the process of optimization, many studies are
aimed to decrease the time cost [15-16]. Dealing with the
shortcomings of slow convergence speed and easily
premature of GA, Srinivas put forward adaptive genetic
algorithm (AGA) whose crossover and mutation
probability can automatically change according to the
fitness [17]. However, when AGA is used to solve

1054-4887 © ACES
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practical metamaterial optimization problems [18], the
optimization process may be interrupted unexpectedly or
even failed to achieve optimal results.

In this paper, we propose a metamaterial absorber
design method based on an improved adaptive genetic
algorithm (IAGA) technique, with the aim to wideband
high-efficiency absorption. Firstly, an IAGA optimization
model for wideband absorption is proposed. Then the
effectiveness of the new technique is evidenced by a
design example using IAGA and the comparison between
IAGA and SGA.

1. IMPROVED ADAPTIVE GENETIC
ALGORITHM

A. Adaptive genetic algorithm

AGA can adjust crossover and mutation probability
adaptively based on individual fitness in the evolutionary
process to improve the convergence. The crossover and
the mutation probability, P, and P, are calculated as

follows [17]:
kl( fmax ~f )

frax— favg
c 2
K, < fag

2 Fag

)
Il

(1)

Ks (fnax 1)
frax— favg
m 2

K, < Fag

2 Fag

(1b)

where f _ and f_, are respectively the largest and the

X
average fitness of the current population, /" is the fitness
of individual being selected to participate in crossover,
' the fitness of individual being selected to participate in
mutation, and K, , k,, k;, k, the constants between 0 and

1, which are based on experience and practical problem
[17].

In practical optimization design of metamaterials,
standard adaptive genetic algorithm (SAGA) may cease
unexpectedly or fail to achieve convergence solution. By
analysis, we find that SAGA is prone to be interrupted
during the process of evolution under improper setting
of crossover and mutation probability. Specifically, the
main problems are as follows.

(1) In the initial evolution stage of SAGA, the initial
individual fitness may have a little difference,

f= fag = fnax, )
so the standard deviation of fitness of current population
can be expressed as:

o = fii(f.—f )2 ~0 3
f Ni:l i avg ~Y, ()

where N is the current population size. In this situation, the
adaptive crossover and the adaptive mutation probability
cannot be calculated by Eq. (1) since arithmetic error.
This may lead to abnormal interruption of the computing
process and divergence of the algorithm.

(2) Theoretically, in the late evolution stage of
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SAGA, the algorithm gradually converges to the optimal
solution,

im g 4)

such trend is what we expect. However, in the actual
convergence process, there will be the same problem as
what was mentioned in case (1). In this case, the algorithm
get stagnated or even interrupted, which makes it converge
fast to a local optimum.

(3) From the schema theorem of GA, the low order,
short length, and high fitness mode can generate a global
optimal solution ultimately with the genetic operators
[11]. As the algorithm evolution proceeds, various
individual similarity increases. However, the mutation
operator is still in working, which will create new
individuals of a higher order, resulting in oscillation
problem.

To solve the above problems of using SAGA in
metamaterial optimization design, we propose an IAGA
as described in the next section.

B. Improved adaptive genetic algorithm

To deal with the divergence problem of SAGA, the
elite preservation strategy is employed. This strategy
preserves the elite individual from each previous
generation to the next generation. Meanwhile, a duplicate
of elite individual participates in crossover and mutation
operation, which ensures the integrity of the elite
individual. Based on this strategy, we propose a new
adaptive method in which adaptive adjustment will occur
in the process of making a new generation. The improved
method includes two aspects: Firstly, we employ a
nonlinear adjustment function, exponential function, to
adjust crossover and mutation probability adaptively in
real-time, which can solve the divergence problem in
the early evolution stage. Secondly, we adjust mutation
probability adaptively based on complementary idea,
which reduces the order of populations, increase the
search space of the algorithm, and solve convergence
oscillation problem in the late evolutionary stage.

1) Exponential adjustment function

Exponential adjustment function (Eq. (5)) is a
variation of the standard exponential function, where
constants « and S are adjustment factor used to adjust

the decline rate of the function; G is the generation number
of GA:

h(G)=1/(1+e i ). (5)

Graphically, as shown in Fig. 1, at the initial stage,
h(G) is almost invariant; whereas with increasing G,
h(G) decreases gradually, which can be used to adjust
the crossover and the mutation probability, to improve
the convergence stability of the algorithm. The constant
a controls the spread and shrink of 4#(G). The greater « ,
the faster declines of 4#(G). The constant £ controls the




shift of #(G), and A(G) right shifts with increasing 3 .
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Fig. 1. The exponential adjustment function A(G).

Introducing the exponential adjustment function, the

crossover probability P, of IAGA can be expressed as:

L k) (O fag GD) )
p o e apa T @)y (@

c H (6)

ko +faug (G)<fag (G-1)

where f,,,(G) and f,,(G) are respectively, the mean

fitness and the largest fitness of all individuals in
generation G; the constants K, , k; , and k, control the

range of adaptive crossover probability within the scope
of [h(G)*k,,h(G)*k;] Uk, . It should be noted that, Eq. (6)

is coincident with Eq. (1) in a particular case: h(G)=0
and k, =0. As scale factor, such an adjustment function

can increase the overall coordination in the evolutionary
process of SAGA, and adaptively decrease the crossover
and mutation probability, reducing the probability of
convergence oscillation problem in the late evolution
stage.

Equation (6) indicates that in the initial stage of
evolutionary algorithm, the effect of exponential
adjustment function 4(G) on P, is small, so the adaptive

range of P, is [k, k;]. With G increasing, #(G) decreases

C
gradually and decrease crossover probability slightly in
a nonlinear manner. In this paper, the parameters are
fixed at ky=0.5k =k, =0.8 as the experience value in

which the GA works well for most of practical problems,
and thus the adaptive crossover probability range is
[0.5,0.8].

2) Adaptive adjustment strategy based on the
complementary idea

Adaptive adjustment of mutation operator is
implemented with complementary idea. SGA mutation
operator is based on a fixed number of individuals. But
this is different from the real ecological environment,
of which mutation number is stochastic. We adaptively
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adjust the number of mutation individuals to simulate
the stochastic mutation operation of the real ecological
environment, according to complementary idea. The
specific steps are as follows.

(1) Use the elite preservation strategy to determine
nEliteKids, which means the number of preservation
individuals. This principle allows the best individuals
from the current generation to carry over to the next.

(2) Use Eq. (6) to calculate crossover probability and
then determine the number of crossover individuals:

nXoverKids =[P, * populationsize] . @)

(3) Determine the number of mutation individuals in
accordance with the complementary idea:
nMutateKids = populationsize —nXoverKids —nEliteKids ,

®)
where populationsize is the population size that denotes
the number of individuals in current generation.

According to schema theorem of GA, we analyze the
convergence characteristic [11, 22] of IAGA. Suppose
the crossover probability range is [N(G) i, * Ko, K;] , where
h(G) i, 1s the minimum value of exponential adjustment
function. The adaptive mutation probability can be
estimated with complementary idea according to Eq. (7)
and Eq. (8):

_ nMutateKids
~ populationsize

_rliekids
populationsize * )

m c

Equation (9) indicates that the range of P, is
[- nEliteKids k1 nEliteKids
populationsize ' populationsize
P, will increase with decreasing P.. According to

~h(G),, *k,] and

theoretical analysis based on the genetic algorithm schema
theorem, the changes of P, versus P, will reduce the

populations order and accelerate the convergence speed.

From the analysis in section 2.2, we can get that the
IAGA can adaptively adjust the crossover and mutation
probabilities. The mutation probability increases with
decreasing crossover probability, which helps to reduce
the populations order, create new structures, and extend
the algorithm search space; on the other hand, the
mutation probability can be adaptively reduced when the
crossover probability increases, thereby improving the
convergence speed and stability. Particularly, in the late
stage of TAGA, not only the crossover and mutation
probability can be ensured properly, but also low order
individual can be effectively avoided, leading to a better
stability of the algorithm at the convergence value since
the adjustment function 4(G).

I11. OPTIMIZATION DESIGN OF
WIDEBAND METAMATERIAL
ABSORBERS

A. Initial design
A polarization insensitive and wide-band THz
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metamaterial absorber is selected as the optimizing
object, with the goal of achieving the maximum
absorption bandwidth. The metamaterial absorber
structure in Ref. [19] is shown in Fig. 2. The metamaterial
absorber consists of two metallic pattern layers separated
by a FR4 substrate. The metallic parts are copper with
frequency independent conductivity ¢=5.8x10"S/m and
thickness ft =0.017m. The geometry parameters are

denoted by a, b, ¢, u, n, w, h.

atu
o ——

Front Back

Fig. 2. The absorber unit cell structure in Ref. [19] and
the geometry parameters.

1) Calculation of the absorption
The absorption can be calculated using:
Alw)=1-R(0)-T(w), (10)
where A(w) , R(w) , and T(w) are the absorption,

reflectivity, and transmissivity, respectively.

This metamaterial absorber can be modeled as a
two-port network. Electromagnetic waves are incident
in port 1 and exit through port 2. The reflectivity and
transmissivity can be calculated by S-parameters of S ;

and S,,:
R(a))z‘Sn2
T(w)=|S2{".

2) The fitness function

The metamaterial absorber optimization design is
a multi-objective optimization problem [20,21], so the
working band, the bandwidth and the absorption should
be considered synchronously in calculating the fitness

function. In the simulation frequency range [ Fyy, Foex |
(where F,, and F., are the upper and lower limit

frequencies), the optimization goal is to make the
absorption bandwidth as wide as possible and meanwhile
the absorption meets a certain minimum requirement.
Considering these two optimization goals, we set the
absorption not less than 80%, and the fitness function is:

D4R
f=1- i=1 ’
Fmax - I:min
where AF, is the frequency interval distance which the
absorption is not less than 80% continually. Equation
(13) indicates that, the wider bandwidth, the smaller

fitness value we will get, supposing the absorption is

, (11)
(12)

(13)
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more than 80%.

3) The structure and algorithm parameters and their
constraints
To ensure getting the reasonable structure, we employ
an inequality to constraint the geometric parameters, as
follows:
—a+b<0
-a+c—-u<0
—a+b+w<0
—-c+n<0
a,b,c,u,n,w,h>0

Population size is generally in 20-40 preferably. In
this paper, the population size is fixed at 20 as the
minimum size in which the GA works well for most
of practical problems, and its size makes it possible to
perform faster computation, and the maximum generation
is 30. The initial individual parameters assume the
parameters in Ref. [19] and the rest initial individuals are
created randomly to satisfy the constraint conditions.

(14)

B. Numerical simulation

The VBA interfaces provided by commercial
electromagnetic simulation software CST and MATLAB
are employed to establish an interactive simulation
system [9, 20, 21]. Joint simulation flow chart with
IAGA is shown in Fig. 3. The calculation configurations,
in CST, are as follows: periodic boundary conditions,
2um near-field distance, frequency-domain solver, and
the frequency range 3.5—-6THz.

MATLAB generate initial
population

—bI Elite preservation strategy to generate Elite-Kids

—>| crossover operation to generate crossover-Kids

Model and modify
parameters according to
VBA interface of CST

—bl mutation operation to generate Mution-Kids

Send calculate result to
MATLAB to calculate
fitness and other GA
operation

Tournament selection
Selected individuals

New generation

“orrespond the end situation

Fig. 3. Joint simulation flow chart.

C. Comparison and discussion
1) Optimization results

After 30 generations of evolution, the steady optimal
individual results are obtained, as shown in Table 1 and
Fig. 4.

Tablel: Metamaterial absorber structure parameters

Parameters/um| a b c u n W h

Before 9.75/9.00|12.10|8.25|1.00 | 0.25]5.00

After 8.63|7.40]12.9315.50]4.98|0.16]5.25
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Fig. 4. The results of IAGA: (a) the best fitness value
(cross mark) and the average fitness value (triangle
mark) of each generation; (b) the best individual obtained
from final optimization results; (c) the mean distance of
all individuals in each generation (Hamming distance);
(d) the optimum fitness value, the worst fitness value
and average fitness value of each generation; (e) each
individual fitness value of the current generation; (f)
offspring quantity of the initial population.

2) Comparison with reference

As shown in Fig. 5, after the optimization, both the
two resonances move to a higher position, due to the
overall reduced size (Table 1). Compare to the results of
Ref. [19], the absorption bandwidth increases, resulting
in that the bandwidth with absorption more than 80% are
increased from the original 0.805 THz to 1.604 THz with
the relative bandwidth increasing of 40.4% [24]. These
results demonstrate the feasibility of IAGA.

TR N,

=@~ 511 before optimization

521 before optimizatios
=511 after IAGA
=i 521 zftor IAGA optimization

e
o

404

S-parameter/dB
fo B
8 g
h
n
5
& <
Absorptivity/%
by s
IS @»

= Abscrptivity before aptimization
Absarptivity after optimization

=
=

35 £0 45 50 55 60 35 40 45 50 55 50
(a) Frequency/THz {b) Frequency/THz

Fig. 5. (a) The S-parameter and (b) the absorption of
before and after optimization.

3) Comparison between IAGA and SGA

Adopting the same structure as that of above
metamaterial absorber, a real-coded SGA is employed
to make a comparison with IAGA. Shown as Fig. 6, the
IAGA optimal fitness value is less than SGA, which
proves that the former algorithm has better global search
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capability. It is also found that the convergence speed of
IAGA is much higher.

0.7 = x- Average fitness value of SGA
- Best fitness value of SGA

~d Average fitness valuc of IAGA
* Best fitness value of IAGA

Fitness value

0
0 5 10 20 25 30

Gené?ation
Fig. 6. Average fitness value and best fitness value of
IAGA and SGA.

V. CONCLUSION

An optimization method of designing metamaterial
absorbers based on an improved adaptive genetic
algorithm (IAGA) is proposed and is verified by example
of THz metamaterial absorber. Firstly, a nonlinear self-
adjustment function is employed to adjust crossover and
mutation probability in real-time, which can solve the
possible oscillation problem in the middle/late stage
and the divergence problem in the early stage of SAGA.
Secondly, mutation operator with the complementary
idea is adjusted to decrease the population order and to
create the new structure for population, improving the
algorithm search space, convergence speed and stability.
Lastly, the feasibility of the IAGA is verified by making
comparisons with SGA, proving that the IAGA owns
advantages of easy mobility, large search space, fast
convergence speed and less design time. However, the
IAGA has disadvantage of depending on the adjustment
parameters and there is no experiment of the THz
metamaterial absorber since experimental condition
limitation, which is our next research direction. This
method can also be extended to multi-object optimization
problems such as the design of left-handed metamaterials,
frequency selective surfaces, transmission line (TL)
metamaterials, etc.
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Abstract — A square dielectric resonator element (SDR)
with a defected ground structure (DGS) is investigated.
The proposed DGS is composed of two rectangular
slots connected by two transverse slots and is placed in
the ground plane. It is fed by a strip line through the
substrate layer. The objective of this structure is to
design dielectric resonator band-stop filter (DRF) and
enhance the performance in terms of better insertion
loss and increased bandwidth. The DRF has been
fabricated and some measurements are taken. The cut-
off frequency of the band- stop filter is 2.25 GHz, with
transmission loss of 2-dB. The 3-dB of the band-stop
filter is 1.24 GHz. The effect of the transverse slot
width on the filter response curve is studied. The same
structure is modulated to be frequency reconfigurable
DRF to achieve frequency agility by using ideal
metallic switches. The cut-off frequency is moved to
1GHz, and the 3-dB bandwidth in 1.5 GHz, while the
transmission loss is decreased by 0.75 dB. Finally, the
effect of loading SDR with metal plate is investigated.
This structure combines the dielectric resonator antenna
(DRA) and the DRF to propose dielectric resonator
antenna filter (DRAF), this structure is used to
miniaturize the global-positioning-system receivers that
contain both the antenna and filter. The DRAF has been
fabricated and measured, it has 3-dB pass bandwidth in
1GHz. Factors such as return loss, insertion loss,
radiation pattern and mutual coupling of DRAF are
calculated using finite element method (FEM).
Comparison of calculation and measurement factors of
DRAF shows a good agreement.

Index Terms — DGS, DRA, DRAF, DRF, FEM.

I. INTRODUCTION
The filter and the antenna are playing an important
role in wireless communication, satellite communication,
radar systems, telecommunication, and other military
and commercial applications. The antenna is a
necessary component for transmitting and receiving
microwave signals. Filters are used to pass or eliminate
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specific frequency and are classified to low-pass (LP),
high-pass (HP), band-pass (BP), and band-stop (BS)
filters. The band-pass filter (BPF) passes a desired
range of signal frequencies while blocking others;
however, the band-stop filter suppresses a desired range
of signal frequencies and allows all other frequencies.
Many researches seek to combine both filtering and
radiating functions with simplicity and miniaturization
through integrating the filter and the antenna into a
single component, known as filtering antenna, or
“filtenna” [1]. The filtenna improves both the noise
performance of the system and the impedance
bandwidth. It reduces the requirement of pre-filtering
and enhances the overall performance of the system.
The filtenna has been implemented in different forms,
Yagi antenna [2], monopole antenna [3], slot dipole [4],
rectangular patch [5], circular patch [6], patch array [7],
r-shaped antenna [8], and dielectric resonator antennas
(DRA) [9]. The filtering antenna is composed by a feed
line, two hairpin resonators, and rectangular patch.
Defected ground structures (DGS) have been attracting
researches in recent years because of their use in radar,
microwave oscillators, microwave filters, microwave
amplifiers, and mobile communication systems. The
DGS can provide size reduction, cross polarization
reduction and harmonic suppressions for different
applications. In addition, DGS can be used to improve
the performance of power dividers and couplers, reduce
the side lobes in phased arrays and provide beam
steering in antennas [10]. The resonant gap or slot in
the ground metal is the basic element of DGS. It is
aligned directly under a transmission line for efficient
coupling to the line [11] and has different shapes for
filter applications, such as dumbbell DGS [12],
arrowhead dumbbell DGS [13], H-shaped DGS [14],
spiral DGS [15], and U-slot DGS [16]. Each of these
shapes differs in occupied area, coupling coefficient,
equivalent L-C ratio and other electrical parameters.
The equivalent circuit for a DGS is parallel-tuned
circuits in series with its coupled transmission line. The
equivalent values of L, C and R are determined by the

1054-4887 © ACES
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dimensions of the DGS structure and its position
relative to the transmission line [10] as shown in Fig. 1.
This defect in the ground plane disturbs the shielding
current distribution due to its natural resonant
characteristics. The shielding current distribution
depends on the shape and the dimensions of the defect.

Fig. 1. The equivalent circuit of DGS.

The proposed structure gives some advantages of
using the DR element to achieve several purposes.
Among these advantages we can cite; high radiation
efficiency, high temperature tolerance, low loss, wide
bandwidth, small size, low cost, light weight, high
power-handling capability and flexible excitation
techniques [17-21]. The first purpose of using DR is
designing band stop filter with wide rejection
bandwidth from 1.25 GHz to 2.82 GHz. This can be
implemented by using a single piece of DR element
through employing DGS in the ground plane. The
second purpose is to achieve frequency agility by
modulating the first structure to obtain frequency
reconfigurable DRF [22]. This can be satisfied by
varying the rectangular slots effective area using ideal
metallic switches. These ideal metallic switches vary
the rejection bandwidth for the first design “band-stop
filter” from 2.3 GHz to 4 GHz. The last purpose is to
integrate the dielectric resonator antenna (DRA) and the
dielectric resonator filter (DRF) into one element
known as filtering antenna (DRAF). A square DR of
the first design loaded with a square metallic plat is
used as the resonator for the antenna as well as for the
band-pass filter. A square metallic plat has been loaded
to the top surface of the DRA (known as SDRA) to
achieve reduction in the resonant frequency of the
antenna [23]. The DRF and DRAF have been fabricated
and measured. The return loss, insertion loss, radiation
pattern and mutual coupling of the DRAF are
investigated. The measured and simulated results show
a good agreement.

This paper is arranged as follows. Introduction in
the first Section I, the second Section Il discusses the
methods used for finding the solution of the proposed
antenna and is divided into two sub sections: the first
finite element methods and the second finite integration
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methods. Section Il discusses the simulations and
numerical results of defected ground structure filters, in
three subsections A, B and C. A summary is presented
in Section IV.

Il. METHODS OF SOLUTION

A. Finite element method

The finite element method (FEM) is used for
finding approximate solution of partial differential
equations (PDE) and integral equations. The solution
approach is based either on eliminating the differential
equation completely (steady state problems), or
rendering the PDE into an equivalent ordinary
differential equation, which is then solved using
standard techniques such as finite differences. In
solving partial differential equations, the primary
challenge is to create an equation which approximates
the equation to be studied, but which is numerically
stable, meaning that errors in the input data and
intermediate calculations do not accumulate and cause
the resulting output to be meaningless. There are many
ways of doing this, all with advantages and
disadvantages. The finite element method is a good
choice for solving partial differential equations over
complex domains or when desired precision varies over
the entire domain. More details about FEM can be
found in [24, 25].

B. Finite integration technique

The finite integration technique (FIT) is a spatial
discretization scheme to solve electromagnetic field
problems in time and frequency domain numerically.
FIT was proposed in 1977 by Thomas Weiland [24, 25]
and has been enhanced continually over the years. This
method covers the full range of electromagnetics, from
static up to high frequency and optic applications. The
basic idea of this approach is to apply the Maxwell’s
equations in integral form to a set of staggered grids.
This method stands out due to high flexibility in
geometric modeling and boundary handling as well as
incorporation of arbitrary material distributions and
material properties such as anisotropy, non-linearity
and dispersion. Furthermore, the use of a consistent
dual orthogonal grid (e.g., Cartesian grid) in
conjunction with an explicit time integration scheme
(e.g., leap-frog-scheme) leads to extremely high
efficient algorithms referred to both computation time
and memory requirements which are especially adapted
for transient field analysis in RF applications. More
details about FIT can be found in [25].

I11. DEFECTED GROUND STRUCTURE
FILTERS
Figure 2 shown the square design of dielectric
resonator filter (SDRF). The square dielectric resonator



element (SDR) of FR-4 material has side length
li=44mm, height h=1.524mm, and dielectric constant
er=4.5, and loss tangent 0.002. It is mounted on the
DGS perfect conductor ground plane of lgxq
dimensions equal to 70mm x70mm. The DGS section is
etched on the ground plane. The DGS is composed of
two rectangles, WsxLs, Ws=8mm, Ls=16mm,
connected with two transverse slots of width t=1mm,
and length tt=14mm. The distance between the two
slots, k, is 7mm. The substrate material is FR-4 of
dielectric constant 4.5, loss tangent 0.002 and has
thickness of 1.5mm.

2

pec ground plane

substrate
T Dds\,®
strip line S g
\‘ . \\.\_\\.- ,

—

Fig. 2. The structure of the SDR filter antenna.

A. Frequency characteristics of SDRF on DGS unit
section

The DGS unit section can provide cut-off
frequency and attenuation pole at some specific
frequency without any periodicity of DGS. In order to
investigate the frequency characteristics of the DGS
section, the DGS unit section has been measured and
their parameters are calculated using FEM to verify the
measured results. Pictures of the fabricated band stop
filter system are shown in Fig. 3. The results shown in
Fig. 4 indicate a rejection of wide bandwidth of 3dB
equal to 1.57 GHz (from1.25 GHz to 2.82 GHz).

A
4
¥ *x

(a) Top view

(b) Bottom view

Fig. 3. The photograph of the fabricated BSF.
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Fig. 4. Measured and calculated return losses, insertion
losses.

The cut-off frequency of the slot band-reject
response at 3dB is f; and its pole frequency is fo. Both
are in GHz. Results show that f; of the unit-slot is 1.2
GHz and fy is 1.98 GHz. The experimental response
curves match with the calculated results to a great
extent. The characteristics of Fig. 4 shows a band-reject
filter response with low transmission loss and wide
band-stop features. Tuning the band-stop filter (BSF) is
achieved by varying the transverse slot width.

The transverse slot width t of the DGS is varied
from 3 mm to 4 mm. Return losses Si1 and insertion
losses Sy; are calculated and given by Fig. 5. It can be
shown from results that the band-stop central frequency
fo increases, rejection level decreases and transmission
loss increases with increasing the transverse slot width.
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-25 e
1 1.5 2 25 3 35

Frequency (GHz)

Fig. 5. Calculated return losses, insertion losses for
varying the transverse slot width, t.
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B. Frequency characteristics of reconfigurable DRF
on DGS unit section

In this design, three ideal metal switches are
integrated on each rectangular slot of the DGS to split it
into four narrow strips to change the resonance
frequency due to change in the current distribution.
Return losses S11 and insertion losses S21 are
calculated and given by Fig. 6. Results show that the
band-stop central frequency f, is moved to 3GHz and f.
is moved to 2.3GHz. A rejection of wide bandwidth of
3dB is equal to 1.7 GHz (from 2.3 GHz to 4 GHz), and
the transmission loss is about 1.24dB.

S Parameter (dB)

switches
1 2 3 4
Frequency (GHz)

Fig. 6. Calculated return losses, insertion losses for
reconfigurable filter.

C. Frequency characteristics of DRAF "'filtenna' on
DGS unit section

In this section the dielectric resonator antenna filter
(DRAF), “filtenna”, that combines the DRA and DRF is
fabricated as shown in Fig. 7. This structure integrates
two types of filters, band-stop filter and band-pass
filter. The unit cell in this structure is designed with the
same dimensions for the first structure. However, the
SDR is loaded with a metallic plate square of length,
1,=22mm, which is then used as the resonator for the
antenna as well as for the band-pass filter. The SDRA is
characterized by height h, side length I;, as shown in
Fig. 1 and is made of material with dielectric constant
€. This geometry is equivalent to a square DRA of the
same material placed over a ground plane with the same
dimensions, but the height is equal to h/2. The added
metallic plate acts as an electric wall, which will reduce
the DRA size by half, also it acts as a shorting post for
the electric field and the removed part from DRA [23,

26]. The equations for calculating the resonant
frequency approximately are given by [26]:
k? +ky2 +k? =g k?,
1
k=27, (1)
y)

0
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g=h24@+@+@, @)

k, =k, k=7, 3)

y X1 Nz

K, tan (%j G0, @)

where ky, ky, and k; denote the wave numbers along the
X, Y, and z directions inside the DR, respectively, and ko
is a free space wave number.

This structure can be used as the resonator for the
antenna as well as for the band-pass filter. The DRAF
has been fabricated and measured. Figure 8 shows the
photograph of the fabricated DRAF "filtenna".

$Z | +—tip tine
»or X

——substrate

PEC ground
plane

Fig. 7. The structure of the filter antenna with top
metallic plate.

(a) Top view

(b) Bottom view

Fig. 8. The photograph of the fabricated DRAF
“filtenna”.

The measured and simulated results show a good
agreement as shown in Fig. 9. Results show that the
DRAF has two band-stop filter with bandwidths of 800
MHz and 650 MHz.The return losses of the filters are
0.52 dB for a central frequency fo =1.78 GHz and 2 dB
for a central frequency fo = 3.88 GHz. It can be shown
from Fig. 9 that the band-pass filter has central
frequency fo at 2.78 GHz, the 3-dB cut-off frequency f
at 2.1 GHz, the 3-dB pass bandwidth is about 1.3GHz,
the rejection level 22dB and insertion loss about 0.89



dB. The total loss of the filtering antenna is almost the
same as the filter insertion loss. The calculated
radiation patterns at 2.78GHz, for the designed filtering
antenna system in the x-y, y-z, and x-z planes are
shown in Fig. 10.

o
2
o
:
(7)) ==-=Measured
—FEM
-30 - - -
1 2 3 4 5

Frequency (GHz)

Fig. 9. Measured and calculated return losses, insertion
losses for filter antenna with top metallic plate.

Fig. 10. Calculated radiation patterns for filter antenna
with top metallic plate at f = 2.78GHz.

The band-stop and band-pass filters are tuned with
varying metallic plate length. The metallic plate length
I, is given for 3 values 11mm, 33 mm and 44 mm and
then the return losses Sii, insertion losses Sp; are
calculated as shown in Fig. 11. It is noted that the
central frequencies fo, the rejection levels and an
insertion loss of the two filters are affected as shown in
figure.

1V. CONCLUSION
This article proposes the square dielectric resonator
element with a defected ground structure (DGS) and

AL-SHALABY, GABER: DESIGN OF DIELECTRIC RESONATOR BAND STOP/BAND PASS FILTERS

investigates different geometrical structures. Two
structures of filter (band-stop filter, band-pass filter)
have been successfully designed and investigated. The
first structure is a dielectric resonator band-stop filter
(DRF). The filter has bandwidth of 1.57GHz and
transmission losses of 0.6dB at 2GHz. The second
structure is a dielectric resonator filter antenna (DRFA).
Results show that the DRFA has two band-stop filters
with bandwidths of 800MHz and 650MHz. The band-
pass filter has an insertion loss about 0.89 dB at 2.78
GHz with bandwidth about 1GHz. To verify the
performance, the filters are fabricated, calculated and
measured. The measurements show a good consistency
with the calculations.

0
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S Paarder (dB
o

4.8

S Paarete (dB)

1 2 3 4 4.8
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1 2 3 4 4.8
Frequency (GHz)

Fig. 11. Calculated return losses, insertion losses for
varying .
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Abstract — In this paper stepped impedance transmission
line (TL) structure is adopted by using proposed
unorthodox technique to design a hybrid branch line
coupler (HBLC) in micro-strip technology. In addition
to achieving good fractional bandwidth of 30% and size
reduction of 56%, the proposed technique ensures a high
impedance ratio (M) over a wide range of electrical
lengths of the high-Z low-Z (stepped impedance) sections.
Maintaining high M ensures a good harmonic suppression
of the proposed design up to 9f; (fo is the design frequency
which is 1GHz for this work). Experimental verification
of the proposed technique is demonstrated by designing
an HBLC at 1GHz. Experimental and simulation results
show excellent conformance.

Index Terms — Harmonic suppression, high impedance
low impedance structure, hybrid branch line coupler,
impedance ratio.

I. INTRODUCTION

Branch line coupler, owing to its capability to
couple a fraction of signal with controllable power and
phase makes it essential for many useful applications
at microwave and milli-metric frequency regimes. A
quadrature hybrid branch line coupler (HBLC) is one
such device which equally splits the signal with a 90°
mutual phase difference and may be particularly useful
in applications like antenna array network, balanced
mixers and amplifiers, phase shifter, crossover design [1]
and Butler matrix design [2] etc. In addition, it may also
be used in signal sensing and monitoring in measurement
equipment (like network analyzers) and radio frequency
front-ends (RFFE) of most radar and communication
systems. A passive directional branch line coupler (BLC)
is usually employed for the task to couple a fraction of
the signal and monitor its frequency and phase without
disturbing the main transmission. Conventional BLCs,
however suffer from bigger size (due to quarter-wave
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(Ag/4) transmission lines (TL)) and inherent narrow
bandwidth typically around 8-10% [3-4] making it not
suitable for ever reducing, bandwidth hungry modern
systems. Yet another disadvantage is its poor ability to
suppress the higher order harmonics which are produced
due to periodic nature of Ag/4 transformers. These
unwanted harmonics may adversely affect the performance
of other sub-systems/systems. Thus, good out-of-band
response is highly desirable. Different design strategies
have been proposed to address the above mentioned
shortcomings in the conventional HBLC [5-26]. A careful
analysis of the literature reveals that simultaneous
achievement of miniaturization, wide operational
bandwidth and reasonable out-of-band rejection has not
been possible and there has always been a tradeoff
between these characteristics. For example a fairly wide
bandwidth (BW) of 49% and 50.9% was achieved in [5-
6] respectively at the cost of size enlargement to almost
three fold with no harmonic suppression. On the contrary,
a BLC with size reduction of 67.5% was reported in [7]
operational over a very narrow BW of 1.8%, again with
no harmonic suppression. A lot of efforts have been done
in order to strike a balance between the two extremities
of BW and size as mentioned above, without considering
harmonic suppression [8-17] and with harmonics
suppression as design parameter [18-26]. In [8-9], a
fractional bandwidth (FBW) of 10% was achieved with
size reduction of 33% and 55% by employing defected
ground structure (DGS) and cascaded transmission line
(TL) with open stub techniques respectively. Comb-line
structure was used in place of Ag/4 transformers in [10],
and asymmetrical T-shaped TLs in [11] to improve the
FBW to 23% and 24% with area reduction rate of 22.6%
and 55% respectively. Yet another BLC design technique
utilizing the polar curves [12] was used to achieve a
FBW of 30% with an overall size of 50% of the
conventional BLC. Recently, remarkable size reduction
of about 62% has been achieved by employing high-low
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impedance TL in substrate integrated suspended line
technology [13] and cascaded slow-wave cells in [14].
The reported FBWs for the two design approaches were
20% and 32% respectively. Artificial TLs based design
approaches were presented in [15-17]. A BLC with area
reduction of 47% operational over a FBW of around
40% was achieved in [15] by utilizing a combination of
dual TL and n-model technique, while in [16] only dual
TL and in [17] only n-model based artificial TL were
implemented to achieve a size reduction of 63.9% and
62% and FBW of 43% and 33% respectively. In all
the above cited works [5-17], out-of-band performance
or harmonic suppression capability of the BLC was not
considered which has become another important design
consideration in modern systems.

Many researchers have proposed different design
techniques to achieve good out-of-band performance of
the BLC at the cost of FBW and/or circuit size [18-26].
Reference [18] used slow-wave methodology by using
four high-low impedance resonant cells to achieve
second harmonic suppression only (2fo, where fo is the
design frequency). The reported FBW was 10% with
an impressive area reduction of 72%. In [19], similar
specifications of harmonic suppression (up to 2f, only),
FBW (about 13%) and size reduction (73.2%) were
achieved by employing interdigitated shunt capacitor
with high-impedance TL. Harmonic suppression was
improved to 3fo in [20] by incorporating T-shaped micro-
strip lines in place of Ag/4 transformers. Compromise
was made on the circuit area which was about 70.5% of
the conventional BLC (29.5% area reduction) with an
operating FBW of 10%. Another design with harmonic
suppression up to 3f, used meandered T-shaped TL
technique [21] with an improved area reduction of 63.5%
(owing to meandering of TLs). An improved out-of-band
response up to 5fy was achieved by using two shunt open
stubs separated by a TL (n-shape) in [22] at the cost of
more circuit area (37% size reduction) and narrow
FBW (8%). The situation was improved in [23] where a
unit consisting of a TL and triple stub was proposed to
achieve harmonic suppression up to 6f,. Reported size
reduction rate in [23] was 44% with a narrow operational
FBW of 9%. In [24] a very wide out-of-band response
up to 10f, was reported by employing a triangular
dumbbell shaped DGS scheme. Circuit area was
significantly reduced to 65% at the cost of narrow FBW
of about 8%. In a recently reported work exploiting
modified T-shaped TLs [25], remarkable size reduction
of 74% was achieved with harmonic suppression up to
8fo. The FBW however was less than 14.4%. Stepped
impedance (low-high impedance) TLs were used to
replace Ag/4 transformers in [26]. More specifically, the
low-Z high-Z low-Z (where Z stands for impedance)
micro-strip structure shown in Fig. 1 (a) with impedance
ratio M > 1 (where M = Z,/Z;), was used in the place of
the vertical Ag/4 transformers of the conventional BLC,

KHAN, MEHDI, ZHAO: DESIGN OF A COMPACT HYBRID BRANCH LINE COUPLER

whereas high-Z low-Z high-Z structure shown in Fig. 1
(b) with M < 1, was integrated horizontally. Using this
technique, an area reduction of 50% was reported but the
harmonic suppression was merely up to 2fo. From the
above discussion, the fact stands out that for BLC design,
there has been a trade-off between parameters like
harmonic suppression, FBW and circuit area.

M >>1
Zl’ el ZZ’ 92 Z]’ G1
(a)
M <<1
Z,0, Z,9, Z,9,
(b)
M >>1
ZZ’ 9I Zl’ ﬂ2 ZZ’ el
(c)

Fig. 1. Stepped impedance structures: (a) Conventional
low-Z high-Z low-Z structure with M > 1, (b)
conventional high-Z low-Z high-Z structure with M < 1,
and (c) proposed high-Z low-Z high-Z structure with
interchanged impedances and M >> 1.

In this paper we propose an unorthodox approach
of analytically solving the structure in Fig. 1 (a) with
a proposed length constraint (20, + 0, = 45°, for size
reduction), to calculate low-Z (Z1) and high-Z (Z,) and
interchanging them resulting in structure given in Fig.
1 (c), enforcing the condition M (Z»/Z1) >> 1 on the high-
Z low-Z high-Z (stepped impedance sections of electrical
length 01, 02, 81 respectively) structure. Please note here
that the electrical length of the respective sections is kept
the same as in Fig. 1 (a). The proposed methodology
gives a superior out-of-band response as compared to
that implemented in [26]. The primary reason behind an
excellent harmonic suppression is a high M which ensures
a transmission response (S.1) of HBLC approaching
that of an ideal low pass filter (LPF) response [3]. This
argument is based on the rationale given in section 2. The
proposed structure shown in Fig. 1 (c) has an additional
advantage of easier integration in 2-dimensions (2-D,
vertical and horizontal arms) of the BLC primarily due
to high-Z section with relatively thin width at the
beginning. The proposed analytical solution results in
high impedance ratio over a wide range of electrical
lengths subsequently resulting in a wide range of
high and low impedances (Z, and Z;) to achieve good
performance parameters. The designed HBLC based
on proposed technique at a center frequency of 1 GHz,
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achieved excellent harmonic suppression up to 9fy, an
area reduction of 56% and a reasonable operational FBW
of 30%.

I1I. ANALYSIS OF PROPOSED TECHNIQUE
Stepped impedance TL comprising of low-Z high-Z
low-Z structure with an electrical length of 01, 02, 01
respectively as depicted in Fig. 1 (a) is adopted and
analyzed first for evaluation and calculation of the
impedances (Z1 and Z) and respective electrical lengths.
Subsequently by interchanging the Z; and Z, segments
the structure is transformed to high-Z low-Z high-Z as
shown in Fig. 1 (c) (enforcing M >> 1), which ultimately
is integrated in place of horizontal 35Q TL and vertical
50Q TL (in 2-D) of the conventional HBLC. The
effectiveness of this methodology, particularly in
harmonics suppression is explained through comparison
of the structures of Figs. 1 (a) and (c) later in this section.
Since the low-Z high-Z low-Z structure of Fig. 1
(a) can be considered as cascaded TLs, 2-port network
analysis is applicable. In order to effectively replace
conventional BLC TL of n/2 length (quarter wavelength)
and impedance of Zo, the equivalent ABCD parameters
of this structure are kept equal to the ABCD parameters
of the conventional BLC TL as given in Equation (1):

€080y  jZysin®y | cos6, jZ,sin®, \( cos6; jZ;sind;
Jsingy 0 0 Jsinf, c0s 0, Jsinfy c0s 6y
1 2 1
0 jZq
= 0
2 Conventional BLC,
1)

Form Equation (1) it can be easily found that A =D
and is given in Equation (2):

A =c0s6;cos0, - (M+ M’l)coselsin 018ind,, (2)
Where M = Z,/Z; is the impedance ratio. Putting A=0
and after some algebraic manipulations, M and M-1 can

be given as:
M =a+x/al2 -1 3)
ML= a—x/az -1,

Where,

a=0.5xsec0, cot 6, cotO,.

Similarly, B parameter derived from (1) can be
equated to jZo to get an analytical equation for Z; as
presented in Equations (4-5):

B =jZ;(2cos6, cos0,sin6; + M cos? 0,sin6, — MLsin? 0,5in0,)
=2y,
(4)
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Therefore,
Zl =
Z, 1(2xcos 0 cos 0, sin B;) + (M cos? ; — M 2sin? 6;)sin 6,)].
()

It is worth mentioning here that Z, in Equation (5)
is 35Q and 50Q for horizontal and vertical quarter
wavelength TL of the conventional BLC respectively. It
may also be noted here that Z, can either be calculated
from C parameter derived from Equation (1) or directly
from M once Z; is known, we use the latter calculation
of Z,. In order to solve Equations (3) and (5) to get M
(and M%) and Z;, a length constraint is introduced in
Equation (6), which also serves as a means for
miniaturization of the proposed HBLC:

291 + 92 = 450 (6)

At this point Equation (3) coupled with Equation (6)
is solved and the impedance ratio and its inverse is
plotted in Fig. 2 (a) against 6; and 0,. Subsequently,
Equation (5) is solved for the calculated values of M (and
M), 01 & 0, and the curves for Z; and Z, (Z, obtained
from M = Z,/Z,) for both 35Q and 50Q TL are plotted in
Fig. 2 (b). It is imperative to note that the shaded area in
Figs. 2 (a) & (b) indicates the practically implementable
limits of M (M), Z; and Z,. Two primary parameters
of concern in defining these bounds are Z; and M. The
lower bound is set by considering Zi (for Zo=35€Q) such
that its value should not be too low which translates into
a very wide width of TL which may not be practically
implementable. On the other hand upper bound is
determined from M such that its value should not be too
high which translates into a very high Z, (considered for
Zo= 50Q) indicating a very thin TL which may not be
fabricated by the machine (the machining lower limit in
most cases is 0.1mm). Fine tuning of the layout circuit
with or without meandering/mitering may be required
for compact size.

The ‘bath tub’ like curve of M shown in Fig. 2 (a)
depicts clearly that in the workable range (shaded area),
M is greater than 10, fairly flat and ensures the condition
of M >> 1 in the impedance interchanged structure of
Fig. 1 (c) over a wide range of 61 & 0. It gives the
designer a leverage of selecting suitable lengths 6; &
0, with a high M causing the transmission response
(S21) of proposed high-Z low-Z high-Z structure (with
interchanged Z; and Z) shown in Fig. 1 (c) to follow
that of an ideal LPF giving a good harmonic suppression.
To prove this hypothesis, a comparison of Sy response
of conventional structure in Fig. 1 (a) and proposed
structure in Fig. 1 (c) is drawn in Fig. 3, for 6, = 14°,
92 = 170, M= 13.5, Zl = 8.429, Z,=113.25Q (Zl and Zz
selected for 35Q TL from Fig. 2 (b)).
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Fig. 2. Design graphs based on analytical solution: (a)
Impedance ratio and its inverse, M (& M) against wide
range of 01 & 0-, and (b) Z; and Z, for structure in Fig. 1
(a) against 6; & 0.

The simulation is carried out in Agilent’s Advanced
Design System (ADS) considering a 0.8mm thick
substrate with dielectric constant of 2.2. It is very clearly
shown in Fig. 3 that for a tuned response at 1 GHz, the
proposed structure promises a good out-of-band
performance as compared to the conventional structure.
Very similar response can be simulated for structure
replacing the 50Q vertical branch of conventional BLC.
It may be noted that Fig. 3 presents simulated response
of just horizontal arm to prove the point. Actual response
of the complete circuit may be different as shown
subsequently.

The proposed high-Z low-Z high-Z structure (with
M >> 1) is ultimately integrated in 2-D to get the
schematic of the proposed HBL.C as shown in Fig. 4. The
design steps are stipulated as: 1) select suitable electrical
lengths 01& 0 (such that the condition 261 + 02 = 45° is
satisfied), 2) from Fig. 2 (a) get M (& M-1), 3) get the
value of Z, and Z; for 35Q and 50Q TLs respectively
from Fig. 2 (b), 4) calculate the widths corresponding to
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Zy and Zy, 5) layout as per Fig. 4 by interchanging Z; and
Z> (low-Z high-Z sections) and optimize.

—a— Conventional Fig. 1{a)
—&— Proposed Fig. 1{c)

204

Magnitude (dB)

25

=304

35— T T T T T T T T

Frequency (GHz)

Fig. 3. Comparison of transmission coefficient (Sz1) of
structure in Fig. 1 (a) and proposed structure in Fig. 1 (c).

35 ohm TL
Input Z2 0, ,i| Z 0, Output
Port 1 — Port 2
Z,0

27 71

50 ohm TL
[ 1
| |
N
o

1

Fig. 4. Schematic of HBLC with proposed structure
integrated in 2-D (not drawn to scale).

Coupled
Port 3

Isolated
Port 4

III. EXPERIMENTAL VERIFICATION

In order to validate the proposed technique, a hybrid
branch line coupler was designed at 1 GHz and simulated
in ADS. The designed HBLC was subsequently fabricated
on a F4ABM-2 substrate with dielectric constant of 2.2 and
thickness of 0.8mm. For the purpose, the proposed high-
Z low-Z high-Z structure was designed by: 1) selecting
01=14°,0,=17°,2) M =135 M1 =0.074, 3) for 35Q TL,
Zy, = 113.25Q, Z; = 8.42Q; for 50Q TL Z, = 162Q,
Z1=12Q, 4) for 35Q TL, w2 = 0.51mm, w; = 21.9mm;
for 50Q TL w, = 0.16mm, w; = 14.8mm, 5) with all these
parameters known, the proposed high-Z low-Z high-Z
structure was integrated in 2-D of the conventional BLC
as per Fig. 4. The final layout of the designed HBLC was
simulated. Some optimization, mainly mitering of low Z
(Z1) TL section of both 35 and 50€2 lines at an angle of
30°, and adjustment of width (within 4-6% of the original
value) was carried out. Since the discontinuity between
the High Z (less width) and Low Z (more width) TL
section is bigger due to high M, slight adjustment of the
width may optimize the results.

Fabricated HBLC at 1 GHz is depicted in Fig. 5.
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Size of the proposed HBLC is reported to be 3.3cm x
3.9cm (or 0.15Ag x 0.18\g). The achieved area reduction
as compared to conventional BLC (with dimensions of
5.39 cm x 5.4 cm) at 1 GHz was 56%.

[}

Fig. 5. Fabricated HBLC with proposed methodology.
Dimensions (mm): a=7, b=11.3, c¢=7, d=7.3, e=8.5,
f=4.35, g=7.2, h=8.82, j=0.41, k=0.16, 0=5.5, p=7.8 and
n=30°.

1em 2 3 ot

A. Results and discussions

All subsequent measurements were performed on
Agilent’s Microwave Network Analyzer model no.
E8363B. Figure 6 (a) shows excellent conformance
between the measured and simulated response of
reflection (S11) and transmission (S21) coefficients of the
designed HBLC. Measured return loss and insertion loss
at port 1 stand at 29 dB and 3.5 dB respectively at 1 GHz.
For Si1 the measured 10 dB and 20 dB FBW is 29.4%
(0.916 GHz —1.21 GHz) and 13% (0.99 GHz — 1.2 GHz)
respectively. For Sy1, 1 dB FBW is reported to be 30%
(0.94 GHz - 1.23 GHz). In addition, a very good out-
of-band performance can be observed. The harmonic
suppression of better that 15.5 dB is achieved up to 9fo.
Insertion loss at port 3 (Ss1), isolation between output
ports 2 & 3 (S23) and isolation at port 4 (Sa1) are depicted
in Fig. 6(b). Here too, almost overlapping simulated
and measured responses can be observed. At 1 GHz,
Ss1=3.02 dB and Sy3 = S41 = 29.7 dB indicating excellent
power division, and isolation (both between the output
ports 2 & 3 and isolated port 4). Achieved 1 dB FBW of
Sa1 is 40% (0.76 GHz — 1.16 GHz) whereas 10 dB and
20 dB FBW of each of Sys and Saiare reported to be 33%
(0.86 GHz —1.16 GHz) and 11% (0.98 GHz — 1.09 GHz)
respectively. Ss; (transmission coefficient) exhibits an
excellent harmonic suppression of better than 19.8 dB
whereas out-of-band response of Sys and Sai is better
than 15.5 dB till 9f,. Lastly, Fig. 7 shows the amplitude
imbalance/difference (|S21| - |Ss1|) and phase imbalance/
difference (£ Sz - £ Sa1) between the signals at output
ports. At 1 GHz, measured value of amplitude difference
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is 0.48 dB (less than + 0.5dB), which can be verified
from the inset graph of Sz; and Sa; in Fig. 7. The phase
difference is 87.9° (which is within 90° + 5°).

Magnitude (dB)

i
- = - Simulated \
—8— —%— Measured

-40 +— T —— T —— ——
1 2 3 4 5 6 7 8 9 10
Frequency (GHz)
(a)
04
' - - - Simulated

104 —&— —h— —k— Measured
-204
-304

Magnitude (dB)

-40 |

-504

-60 T T T T T T T T T

Frequency (GHz)

(b)

Fig. 6. Simulated and measured S-parameters response:
(a) Reflection coefficient (Si11) at input port 1 and
Transmission coefficient (Sz1) at port 2, and (b)
Transmission coefficient (Ss1) at port 3, output port
isolation (Sz3) and isolation at port 4 (Sa41).
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0.98 1.00 1.05 1.10

Frequency (GHz)

Fig. 7. Amplitude and phase difference of the signal at
the output ports of the design HBLC.



B. Comparison with previous works

A candid comparison of the proposed design with
already published work is presented in Table 1.The main
focus is comparison of three design parameters namely
FBW, circuit size reduction (as compared to the
conventional BLC) and harmonic suppression. It can be
clearly seen in Table 1 that [8 — 12] offer a size reduction
rate of up to 50% and FBW of up to 32% but with no
harmonic suppression, while [13 — 17] give superior area
reduction of up to 63% and a wider FBW at the cost of
out-of-band performance. From the works reporting good
out-of-band performance [18 — 25], it can be inferred that

Table 1: Comparison of proposed work with literature
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a relatively narrow FBW was achieved although area
reduction in some cases have been phenomenal (> 60%)
[18],[19],[24].[25].

Our proposed design, although achieved a size
reduction of 56%, promises wider FBW of about 30%
with a superior harmonic suppression up to 9f, (except
for [24] where harmonic suppression is 10f, but FBW is
very narrow). Another important thing to note is that the
proposed technique of utilizing the stepped impedance
TL gives much better results as compared to similar
structure used in [26].

Ref Freq. Circuit FBW? Size Harmonic
' (GHz) Configuration (%) Reduction Suppression
[8] 2.4 DGS 10 33 No
0.9 Cascaded TL with centrally
[] loaded open stub 10 55 No
[10] 1.94 Comb line structure 23 22.6 No
[11] 24 Asymmetrical T-shaped 24 55 No
structure
[12]° 1.8 Polar Curves 32 50 No
Substrate integrated suspended
[13] 15 line (SISL) technology 21 62 No
[14] 1 Cascaded slow-wave cells 32 62 No
[15] 24 Combination of dual TL & 40 47 No
n-model
[16] 2.4 Dual TL 43 63.9 No
[17] 2.4 n-model artificial TL 33 62 No
[18] 2 Slow-wave resonant cells 10 72 Up to 2fy
High impedance TL with
[19] 0.836 intgrdigifated capacitance <13 132 Up to 2o
[20] 2 T-shaped structure 10 29.5 Up to 3fy
[21]° 2.1 Meandered T-shaped structure Not given 63.5 Up to 3fy
[22] 0.5 n-shaped structure 8 37 Up to 5fp
[23] 1 TL with triple stub 9 44 Up to 6fy
[24] 1 DGS <8 65 Up to 10fp
[25] 0.9 Modified T-shaped structure <15 74 Up to 8fy
[26] 1 Stepped impedance TL Not given 50 Up to 2f,
vtloq;sk 1 Stepped Impedance TL 30 56 Up to 9fo

210 dB fractional bandwidth.
b only BLC results have been quoted.

IV. CONCLUSION

A novel technique of utilizing the stepped impedance
TL structure is presented for the design of HBLC in
micro-strip technology. First of all conventional low-Z
high-Z low-Z structure is analysed by imposing a length
constraint. After finding out the impedance of each
section, they are interchanged to form a high-Z low-Z
high-Z structure of Fig. 1 (c) ensuring impedance ratio,
M (Z»/Z1) >> 1. Owing to high impedance ratio (M) over

a wide range of electrical lengths, the transmission
coefficient (Sz1 and Sz1) response follows that of an ideal
LPF promising wide range of harmonic suppression. The
proposed theory is practically verified by fabricating an
HBLC at 1 GHz. An excellent harmonic suppression of
up to 9f, was achieved with an operational FBW of 30%
and size reduction of 56%. In short, the proposed HBLC
is easy to fabricate, has no lumped elements and is
compact enough to fulfill the requirements of bandwidth
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hungry micro-wave systems requiring wide harmonic
suppression.

[1]

[2]

[3]
[4]

[5]

[6]

[7]

8]

[9]

[10]

[11]

[12]

[13]

[14]

REFERENCES
F. Lin, Q. X. Chu, and S. W. Wong, “Dual-band
planar crossover with two-section branch-line
structure,” IEEE Trans. Microw. Theory Techn.,
vol. 61, no. 6, pp. 2309-2316, 2013.
S. Koziel and P. Kurgan, “Low-cost optimization
of compact branch-line couplers and its application
to miniaturized Butler matrix design,” In Proc.
EuMC., Rome, ltaly, pp. 227-230, 2014.
D. M. Pozar, Microwave Engineering. Second
edition, Wiley, New York, 2009.
R. Mongia, I. Bahl, and P. Bhartia, RF and
Microwave Coupled-Line Circuits. Artech House,
1999.
W. A. Arriola, J. Y. Lee, and I. S. Kim, “Wideband
3 dB branch line coupler based on A/4 open
circuited coupled lines,” IEEE Microw. Wireless
Compon. Lett., vol. 21, no. 9, pp. 486-488, 2011.
S.Leeand Y. Lee, “Wideband branch-line couplers
with single-section quarter-wave transformers for
arbitrary coupling levels,” IEEE Microw. Wireless
Compon. Lett., vol. 22, no. 1, pp. 19-21, 2012.
J. Zhang, J. Tao, B. F. Zong, and C. Zhou,
“Compact branch-line coupler using uniplanar spiral
based CRLH-TL,” Progress in Electromagnetic
Research, PIER Letters, vol. 52, pp. 113-119,
2015.
M. Ramesh, D. Packiaraj, and A. T. Kalghatgi, “A
compact branch line coupler using defected ground
structure,” J. Electromagn. Waves Appl., vol. 22,
no. 2, pp. 267-276, 2008.
T. Su, C. Zhao, and Z. Li, “Compact broad band
branch line coupler with centrally loaded open stub
and cascaded transmission line,” Microw. Opt.
Technol. Lett., vol. 54, no. 9, pp. 2101-2103, 2012.
G. H. Pei and H. K. Choi, “A miniaturized 3-db
hybrid coupler using the comb line,” Microw. Opt.
Technol. Lett., vol. 57, no. 11, pp. 2641-2645,
2015.
S. S. Liao, P. T. Sun, N. C. Chin, and J. T. Peng,
“A novel compact-size branch-line coupler,” IEEE
Microw. Wireless Compon. Lett., vol. 15, no. 9, pp.
588-590, 2005.
J. Johan and J. W. Odendaal, “Design of compact
planar rat-race and branch-line hybrid couplers
using polar curves,” Microw. Opt. Technol. Lett.,
vol. 57, no. 11, pp. 2637-2640, 2015.
Y. Wang, K. Ma, and S. Mou, “A compact branch-
line coupler using substrate integrated suspended
line technology,” IEEE Microw. Wireless Compon.
Lett., vol. 26, no. 2, pp. 95-97, 2016
P. Kurgan and S. Koziel, “Design of high-
performance hybrid branch-line couplers for wide-

[15]

[16]

[17]

[18]

[19]

[20]

[21]

[22]

[23]

[24]

[25]

[26]

ACES JOURNAL, Vol. 34, No. 8, August 2019

band and space-limited applications,” IET Microw.
Antennas Propagat., vol. 10, no. 12, pp. 1339-
1344, 2016.

V. Iran-Nejad, A. A. Lotfi-Neyestanak, and A.
Shahzadi, “Compact broadband quadrature hybrid
coupler using planar artificial transmission line,”
Electron. Lett., vol. 48, no. 25, pp. 1602-1603, 2012.
C. W. Tang, M. G. Chen, and C. H. Tsai,
“Miniaturization of microstrip branch-line coupler
with dual transmission lines,” IEEE Microw.
Wireless Compon. Lett., vol. 18, no. 3, pp. 185-187,
2008.

V. Iran-Nejad, A. A. Lotfi-Neyestanak, and A.
Shahzadi, “Miniaturization of a broadband quadra-
ture hybrid coupler using n-model transformation-
based artificial transmission line,” Applied
Computational Electromagnetics Society (ACES)
Journal, vol. 31, no. 3, pp. 304-308, 2016.

J. Wang, B. Z. Wang, Y. X. L. Guo, C. Ong, and S.
Xiao, “A compact slow wave microstrip branch
line coupler with high performance,” IEEE Microw.
Wireless Compon. Lett., vol. 17, no. 7, pp. 501-503,
2007.

K. Y.Tsai, H. S. Yang, J. H. Chen, and Y. J. E.
Chen, “A miniaturized 3 dB branch line hybrid
coupler with harmonics suppression,” IEEE Microw.
Wireless Compon. Lett., vol. 21, no. 10, pp. 537-
539, 2011.

L. Y. Wang, K. Hsu and W. H. Tu, “Compact
microstrip harmonic-suppressed quadrature hybrids,”
Microw. Opt. Technol. Lett., vol. 51, no. 4, pp.
981-985, 20009.

K. S. Choi, K. C. Yoon, J. Y. Lee, et al., “Compact
branch line coupler with harmonic suppression
using meander T-shaped line,” Microw. Opt.
Technol. Lett., vol. 56, no. 6, pp. 1382-1384, 2014.
P. Mondal and A. Chakrabarty, “Design of
miniaturized branch-line and rat-race hybrid
couplers with harmonics suppression,” IET Microw.
Antennas Propagat., vol. 3, no. 1, pp. 109-116,
2009.

B. Li, X. Wu, and W. Wu, “A miniaturized branch-
line coupler with wideband harmonics suppression,”
Progress in Electromagnetic Research, PIER
Letters, vol. 17, pp. 181-189, 2010.

S. Dwari and S. Sanyal, “Size reduction and
harmonic suppression of microstrip branch line
coupler using defected ground structure,” Microw.
Opt. Technol. Lett., vol. 48, no. 10, pp. 1966-1969,
2006.

K. V. P. Kumar and S. S. Karthikeyan,
“Miniaturised quadrature hybrid coupler using
modified T-shaped transmission line for wide-
range harmonic suppression,” IET Microw. Antennas
Propagat., vol. 10, no. 14, pp. 1522-1527, 2016.
S. H. Sedighy and M. Khalaj-Amirhosseini,



“Compact branch line coupler using step
impedance transmission lines (SITLs),” Applied
Computational Electromagnetics Society (ACES)
Journal, vol. 28, no. 9, pp. 866-870, 2013.

Zafar Bedar Khan received his B.E.
degree from National University of
Sciences and Technology, Pakistan
and M.S. degree from Hanyang
University, South Korea in 2002 and
2010 respectively. He received his
Ph.D degree from Northwestern
Polytechnical ~ University, Xian,
Chma in 2017. Currently, Zafar is working as a Research
Engineer at Center of Excellence for Science & Applied
Technology (CESAT), Islamabad, Pakistan. His research
interests include RF passive component design and
RF front-end design for application in Radar and
communication systems.

Ghulam Mehdi received his bachelor
of Engineering degree from NED
University Karachi, Pakistan and
Master of Engineering from Linko-
ping University, Linkoping, Sweden
in 2000 and 2007 respectively. He
completed his Ph.D. degree from
Beihang University, Beijing, China
in 2013. Presently, Mehdi is working as Senior Research
Engineer at Center of Excellence for Science & Applied
Technology (CESAT), Islamabad, Pakistan. Mehdi’s
research interest includes microwave and millimeter-
wave circuits & antenna design and radar system
engineering.

KHAN, MEHDI, ZHAO: DESIGN OF A COMPACT HYBRID BRANCH LINE COUPLER

Huiling Zhao received her Ph.D
degree in Circuit and System from
Northwestern Polytechnical Univ-
ersity, Xian, China in 2002. Zhao is
currently a Professor in the Depart-
ment of Electronics and Information,
Northwestern Polytechnical Univer-
sity, China. She has been a visiting
Associate Professor in the Duke University, USA from
2006 to 2007. Zhao’s main research interests include
optimization algorithm development for beam forming,
computational electromagnetics, microwave and milli-
meter wave circuit and antenna design.

1218



1219

ACES JOURNAL, Vol. 34, No. 8, August 2019

Effects of Return Stroke Parameters and Soil Water Content on EMF
Characteristics

Mohammed I. Mousa, Zulkurnain Abdul-Malek, and Mona Riza M. Esa

Institute of High Voltage and High Current, School of Electrical Engineering, Faculty of Engineering
Universiti Teknologi Malaysia, 81310, Johor Bahru, Malaysia
Mohammedimran745@yahoo.com, zulkurnain@utm.my, monariza@utm.my

Abstract — Electromagnetic pulses produced by
lightning return strokes travel long distances both
aboveground and underground. This study investigated
the effects of return stroke parameters on electromagnetic
propagation over lossy ground. The lightning return
stroke channel was modeled using the Modified
Transmission Line with Exponential Decay (MTLE)
model. Electromagnetics was modeled using a frequency
domain solver in the form of finite element analysis via
COMSOL software. The studied stroke current
parameters were peak, rise time, and decay time. In
addition, the effects of soil water content was studied.
Aboveground and underground electric and magnetic
fields followed and were directly affected by the
lightning current waveshape. The underground fields
were affected by soil water content. In contrast, the
aboveground fields are not affected by water content
except for the radial electric field.

Index Terms — Current parameters, EMF, FEA, lossy
ground, water content.

I. INTRODUCTION

Lightning is a vigorous natural phenomenon that has
significant effects on human lives and systems such as
power supply, communication, etc. Among the three
lightning types, namely, cloud-to-ground, cloud-to-
cloud, and intra-cloud, cloud-to-ground lightning poses
the most significant threat to the above systems [1]. 90%
of the cloud-to-ground lightning produces return strokes
with negative current. During the last decade, many
studies have calculated the electromagnetic fields
radiated by these return strokes [2-5]. Ground properties
are known to affect not only the lightning discharge flow
in soil [6, 7] but also electromagnetic field propagation
and computed fields at a given distance from the
lightning source [8-12].

The two main ground properties investigated in this
study were soil conductivity and permittivity. Most
previous studies considered soil conductivity and
permittivity as constant or frequency independent. It is
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noted that a correct computation of lightning
electromagnetic fields requires proper soil modeling.
Several soil models [7] with frequency dependency were
proposed by Scott [13], Smith-Longmire [14], and
Visacro-Alipio [15].

An attempt to consider frequency dependent soil
conductivity and permittivity in the computation of
electromagnetic fields was proposed by Delfino [16].
Delfino uses an improved numerical solver based on
Maxwell equations to compute the field [16]. Later,
several other researchers studied the effects of frequency
dependent soil on electromagnetic fields using frequency
domain solvers [17-20]. However, the full effects of
lightning current magnitude, lightning current shape, and
soil water content on electromagnetic field characteristics
are not fully understood.

The accurate evaluation of the electromagnetic
fields propagated by nearby lightning strikes is important
in determining lightning induced voltage into power
systems. The aim of this paper is to study the effects of
lossy ground and various lightning current parameters,
such as the peak, front times, and decay time, on the
EMF characteristics at a given location. Finite element
analysis was used for simulation. Four lightning currents
with different magnitudes and shapes were considered.
The effects of soil water content on EMF characteristics
were also studied.

1. METHODOLOGY
The methodology of this study is comprised of four
parts, namely, specification of energizing currents,
modeling of the return stroke, modeling of the soil, and
modeling of electromagnetic field propagation. Each of
these are described below.

A. Return stroke current at base of the channel

An analytical expression was adopted to represent
the lightning current at the base of the return stroke
channel, as originally proposed by Heidler [21] and
modified by Diendorfer and Uman. Mathematically, the
return stroke current is given as i (z, t), where z is the

1054-4887 © ACES



channel height. At the bottom of the channel, the current
is described as [22]:

nq ny
G I G M )

Hgame H@QME

where k; = 101/,]1 , ky= loz/nz,

where ip1 and ig; are the amplitudes of the current
components, /11 and Iz are the front time constants, 7721
and I, are the decay-time constants, n; and n, are
constants, and #1 and 7, are the amplitude correction
factors. The corresponding values used in this study were
categorized as cases 1 to 4 as shown in Table 1. Figure 1
shows the generated lightning currents for all 4 cases.

i(0,t) = (1)

Table 1: Heidler parameters for lightning return stroke
adopted from Diendorfer and Uman [22, 23]

Case lor |T11 |[T1z [0z [T21 | T2 |m&

kA [(us) |(us) [kA [ s) |(us) | m
1 19.5 1 2 12 8 30 2
2 17 |04 4 8 4 50 2
3 105 | 2 48 | 9 20 26 2
4 10.7 10.25 | 2.5 |6.5 2 230 2

L L L L L

21.0k

18.0k

15.0k

12.0k

Lightning Current (A)

T T T
0.0 20p 40p 6.0y 8.0p 10.0p
Time (s)

Fig. 1. Lightning current waveforms for four return
stroke parameter cases (detailed parameters are given in
Table 1).

B. Current distribution along the channel

Currents along the channel were implemented using
the modified Transmission Line with Exponential Decay
(MTLE) return stroke model. In this model, the channel
base current was used to calculate currents at different
channel heights. Current distribution along the channels
in time domain is specified as:

iz 6) = i(0, t —2/) e~ (@), @)
where i(z, t) is the channel current at height z, v denoted
the return stroke speed, and « is the height dependent
decay constant. Using a Fourier transform of i(z, t) we
get:

1(z, ) = 1(0,w) e_(g) e_iw(g), (3)
Equation (3) was then used in the frequency domain
solver.
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C. Soil model

Based on the soil equivalent network formula of
Smith and Longmire (SL) [14], the relative frequency
domains permittivity and conductivity are written as:

(@) = g2 + & Z’HW )
® 2
o(w) = g, + 2me, {Vzlﬁ (5)
where, e
o, =8e—3 (1%) : (6)
fr=10 (2) 0

where & , €, and g, are permittivity at high-frequency,
permittivity of free space, and initial conductivity,
respectively. a; and f; are coefficients that have a good
fit with the measurement results, and @ is angular
frequency (with a frequency range from 100 Hz to 5
MHz). Table 2 shows a; coefficient values for varying i
values, which were used to define the soil relative
permittivity and conductivity for different soil water
contents.

Table 2: Coefficient a; of Smith and Longmire

expressions adopted from [14]

i a; i a; i a; i q;

1 | 34E6 |5 |5.26E2 |9 4.8 13 | 0.173
2 |2.74E5 |6 |1.33E2 |10 | 2.17

3 |2.58E4 |7 |2.72E1 |11 | 0.98

4 |3.38E3 |8 |1.25E1 |12 | 0.392

Based on Smith and Longmire’s soil model, soil
properties can be defined for any percentage of soil water
content using the initial conductivity value and fi
coefficient.

D. Electromagnetic propagation model

COMSOL software’s Radio Frequency (RF-
Module) was used for analysis [24] as it allows the 2D
and 3D calculation of electromagnetic fields along
passive and active devices. All models were based on
Maxwell’s equations and material laws for propagation
in different media. In particular, the electromagnetic
wave solver of the RF module, which is based on the
finite-element solution of the weak-form representation
of the frequency-domain wave equation of the magnetic
vector potential [24] was used.

The electromagnetic propagation model was
divided into three media channels: air, ground, and
lightning. The electric parameters of air are given as
o = 0, & = 1, while the ground was considered to
have frequency dependent conductivity o(f) and relative
permittivity e@f). In this model, the 2D axisymmetric
formulation was utilized to model flat ground with a
vertical lightning channel, and each medium was meshed
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by triangular prisms based on FEA theory. Maximum
element mesh sizes were limited to the skin depth 6 and
minimum wavelength Amin (associated with maximum
working frequency fma). The maximum length of
each element was smaller than (Amin/6). To avoid large
computational requirements and inefficient matrix
systems in the FEM formulation due to large model
dimensions, a thin wire was used to represent the
lightning channel. The conductor wire was reasonably
modeled as a sequence of mesh edges [17, 20] with a
maximum edge length of (Amin/10).

Electromagnetic wave and frequency domain
interfaces were wused to solve time-harmonic
electromagnetic field distribution. This physics interface
solved the second-order vector wave equation for
electric fields [21]:

2
VX VX E) =% (6 i) E=0, @)

while the magnetic field was determined using the first
Maxwell equation:

VXE = —jouu.H, (9)
where E, and H are the electric and magnetic fields. The
variables ur, &r, and o are relative permeability, relative
permittivity, and electric conductivity, respectively; w is
angular frequency, ¢ is propagation speed of light, and
I is the curl of the vector variables.

In COMSOL, the soil-air interface used natural
Neumann conditions expressed as:

—n X [(' VX E)sop = (ur 'V X E) iy

=n xjw:uo(HSOil - HAir) _]s =0, (10)
where Esoii and Enair are the electric fields at the soil-air
interface, Hsoii and Hair are the magnetic fields at the
same interface, J; denotes surface current density, and n
is the unit normal vector directed from soil to air. To
prevent the electromagnetic wave from being reflected
off of boundaries, a Perfect Match Layer (PML),
(available in the frequency domain RF module) was
used. PML width is equal to (2 Amin) [24].

The electromagnetic field radiated by the lightning
channel is defined by three components, the vertical
electric field (E;), the radial electric field (E/), and
the azimuthal magnetic field (Hy). The electromagnetic
component was obtained in the time domain using the
inverse Fourier transform.

Table 3 lists the parameters used to calculate current
along a lightning channel and other simulation details
[17]. Figure 2 shows the FEA simulation model
consisting of lightning channels for the ground, air, and
Perfectly Matched Layers as well as the generated FEA
mesh.

Figure 3 illustrates the flow chart of the
computational ~ procedure  for  modeling  the
electromagnetic propagations over lossy ground.
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Table 3: Parameters used for return stroke model and
electromagnetic computation

Parameters/Symbols Values
Return stroke speed v, [m/s] 1.3x108
Range of frequency f, [Hz] (0 —5 x 109)

Number of samples 1024

Lambda A, [m] 60
Decay constant «, [m] 2000
Max. Mesh size, [m] (Alfmax) = 30
Min. Mesh size, [m] 0.07

Height of lightning channel [m] 7000
Width of the model [m] 4500
Depth of ground [m] 1000

Lightning channel

~
Ground
Air

General model Mesh

Fig. 2. Lightning channel and electromagnetic model
containing ground, air, and Perfectly Matched Layers
(PML) as well as the generated FEA mesh.

Calculate current in time
domain By MATLAB

Add Mesh: Frequency
range (0-5)MHz, 2048
samples

Export results
Convert in Time domain
using IFFT By MATLAB

Build
Geometry

Define Perfect maich
layer Boundary

Convertin frequency
domain using FFT By
MATLAB

Define Material

Define Current as
interpolation function
in COMSOL

Set Parameters and
Variables

Fig. 3. Flow chart of the numerical solution.

Add Mesh: Edge mesh to
channel, & triangular mesh
to remain geometry
(Lambda/6)

I11. RESULTS AND DISCUSSION
This study simulated the effects of lightning current
parameters and soil water content on computed
electromagnetic fields.

A. Effects of lightning current parameters
Figure 4 shows the resultant radial and vertical
components of the electric field and the azimuthal



component of the magnetic field for lossy ground for
four lightning return stroke currents. The observation
point was located 10 m above ground and 50 m from the
lightning channel. It was observed that the measured
aboveground electric and magnetic fields followed
and were directly affected by the lightning current
waveshape. With proper calibration, the measurement of
these aboveground fields enables us to determine the
magnitude and shape of a lightning current source.
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Fig. 4. Variation of electromagnetic components over
lossy ground for: (a) Radial component of the electric
field (E/), (b) vertical component of the electric field
(E2), and (c) azimuthal component of the magnetic field

(Hg).

Figure 5 shows the effect of lossy ground on the
radial and vertical electric fields and the azimuthal
magnetic field for all lightning return stroke currents.
The observation point was located 10 m belowground
and 50 m from the lightning source. It was observed that
the measured underground radial electric and magnetic

Azimuthal Magnetic Field H¢p (A/m)
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fields followed and were directly affected by the
lightning current waveshape. Similar to the aboveground
case, the measurement of these two underground fields
enables us to determine the magnitude and shape of a
lightning current source.

o

N Water Content 0.5%

5 Case 3

Case 4

-2k 4

-3k 4

-4k

Radial Electric Field Er (V/m)

-5k T T T T T
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Time (second)
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0.0 20p 40y 604 80y  10.0p
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(b)

Water Content 0.5%
Case 2

0.0 Z.bp 4,6;1 G.bp 8.0p 10T0p
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(©)

Fig. 5. Variation of electromagnetic components in lossy
ground for: (a) Radial component of the electric field
(Ey), (b) vertical component of the electric field (E;), and
(c) azimuthal component of the magnetic field (Hy).

Azimuthal Magnetic Field H$ (A/m)

B. Water content effect

Figure 6 shows radial electric fields with water
content for return stroke currents at locations 50 m from
the lightning channel and 10 m above and below ground.
It was observed that the water content impacted the
underground currents magnitude and the pattern of
the radial electric field until 10% soil water content.
For water content above 10%, the field magnitude was
approximately zero. Water content (up to 10%) increased
the aboveground field. Increment amounts were
dependent on current shape.
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Figure 7 shows variations in the above and
underground vertical electric fields with water content
for four return stroke currents 50 m from the lightning
channel. It was observed that the water content impacted
the underground currents magnitude and the pattern of
the vertical electric field until about 10% soil water
content. For water content above 10%, the field
magnitude was approximately zero. Unlike the radial
field, water content did not affect the aboveground
vertical field.

Figure 8 shows variations in above and underground
azimuthal magnetic fields with water content for four
current cases 50 m from the emitting source. It was
observed that the underground magnetic field linearly
decreased when increased water content from 1 to 100%.
The decrement amount depended on current shape. For
the vertical electric fields, the aboveground magnetic
field remained unaffected by water content.
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Results showed that the waveforms of the electric
and magnetic fields have similar patterns to the return
stroke current waveform above/belowground, with the
exclusion of underground vertical electric field. Hence,
the waveform shape for the vertical electric field was
mainly affected by soil conductivity frequency
dependency [17].

For all return stroke cases, the peak value and
pattern of the three electromagnetic components
behaved differently due to soil electrical parameters.
Hence, the peak values of the radial electric field
increased with increased soil conductivity and decreased



permittivity (higher water content according to [14]).
In contrast, the underground fields were dampened,
especially for soil water contents greater than 10%. The
peak values for underground vertical electric fields were
significantly affected by soil electric parameters. The
aboveground fields were unaffected by increased water
content. Differences were found in the behavior of peak
values between return strokes.

Simulation  results were based on the
electromagnetic model presented by Akbari [17] and
different solver techniques in [16, 19]. The electric and
magnetic fields results of case 4 are in good agreement
with those presented in [16, 17] for both above/
belowground for various distances from the lightning
channel. Using case 4 as reference, other cases were
evaluated over different soils.

IV. CONCLUSION

The shape and magnitude of above and
belowground electric and magnetic fields were directly
affected by the lightning current waveform. The
measurement of the lightning electric and magnetic field
waveforms enables us to determine the magnitudes and
shape of a lightning currents source. Underground fields
were found to be affected by 0.5% to 100% soil water
content. The effect was more dominant for the azimuthal
magnetic field (up to 100% water content) compared to
the radial and vertical electric fields, which were only
affected by up to 10% soil water content. In contrast,
aboveground fields were not affected by soil water
content, except for the radial electric field (up to 10%
water content).

Soil water content had various effects on
electromagnetic component peak values for the four
return strokes. There was no significant differences in
the effect of water content for the aboveground return
strokes. For the wunderground fields, all three
electromagnetic components behaved slightly different
at different soil water contents. Electric fields were
almost constant after 10% of water content, while the
magnetic field continually decreasing with increases in
water content up to 100%.
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Abstract — According to the ALSE configuration in
CISPR 25, cable bundle is often the dominant radiation
structure due to the Common-Mode (CM) current.
However this emission test method suffers from a need
of a large anechoic chamber. In order to reduce this cost
of electronic component development in the EMC test
phase, this paper presents a CM current-scan to predict
the radiated emissions from 30MHz - 1GHz; moreover,
CM-voltage measurement on the cable bundle is also
proposed from 150 kHz - 30 MHz. Both methods rely on
simple radiating structures and do not take into account
the complexity of a real ALSE environment. Therefore a
calibration approach based on measured data is proposed
to incorporate real influence factors in an anechoic
shielded chamber. The proposed approaches are verified
by different cable bundles and measurements.

Index Terms — ALSE method, cable bundle, CISPR 25,
Common-Mode current, Common-Mode voltage, radiated
emission.

1. INTRODUCTION

Due to increasing clock frequencies and electronic
modules, automotive cable bundles as primary
interconnection medium enhance the complexity of
electromagnetic behavior and the potential risk of
functional safety. Electromagnetic emission evaluation
(EME) for automotive electronic devices connected to
cable bundle is necessary. For guaranteeing the reliability
and reproducibility of the EME, common commercial
electromagnetic compliance (EMC) limits specify test
configuration and site. For example the ALSE method
from CISPR 25 [1] specifies that radiated emissions
measurements from electronic components or modules
should be connected to a cable bundle of 1.5 m length.
To eliminate extraneous disturbance and avoid wall
reflections, it requires an anechoic shielded chamber
characterized by high costs and space consumption. In
order to reduce electronic-component development cost
in EMC test phase, previous works [2]-[3] introduced
current scanning method in frequency and time domain
to substitute expensive anechoic chamber measurement
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of ALSE method according to CISPR 25. One method
is the current amplitude scanning method in frequency
domain. The phase of CM current is retrieved from a
specific optimization algorithm, only based on the
measured amplitude of CM current. While the other
method is current scanning method in time domain,
which can obtain the amplitude and phase information
of CM current simultaneously through Fast Fourier
Transform (FFT). Both methods are based on a basic
assumption that radiated emissions are mainly dominated
by the CM current along the cable bundle. Consequently
the CM current path can be modeled by a set of elementary
dipoles and mirror current to evaluate radiated emissions
from cable bundle. For solving the limitation of finite
metallic ground in real test configuration, surface current
model substituting mirror current is proposed in the final
simulation calculation [4]. However, the prediction
accuracy of alternative approaches is still confined by the
real ALSE test environmental factor. Moreover previous
current scan based method cannot solve the low-frequency
due to the sensitiveness of phase measurement below
30 MHz [2]. Based on current scan methods in previous
works, this paper focus more on measures to further
improve radiation prediction accuracy. Besides, the CM
voltage measurement is proposed to predict the radiated
emissions at low frequencies.

I1. RADIATION MODELS OF CISPR 25
CONFIGURATION

According to ALSE method in CISPR 25, the
electronic component should be connected to 1.5 m wire
or cable bundle to evaluate field emissions. Therefore
this configuration mainly consists of a cable bundle and
a finite metallic ground based on the assumption that CM
current domains field emission, as shown in Fig. 1.
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Fig.1. Radiation model from a cable bundle on a finite
ground.

In Fig. 1, the radiation from the cable bundle is the
sum of radiation from each dipole according to [4]-[5]:
IdL y 1

H ( ) - ﬂo (J 2 g)eijﬁur 1 (1)
ﬂo ol
ldL-zy 3 .3 i
Ey(a)) 4 2 Oﬂo (J ﬁo Ozrz J :rg )e 1 (2)

where r is the distance from one dipole to the observation
point P; & is dielectric constant of vacuum; dL is
Hertzian dipole length; 1 is the current on a dipole; 7o

is wave impedance in vacuum (7, = /€, ), Where uqo is

permeability of vacuum. Sy is the electromagnetic wave
phase constant in vacuum. While the finite metallic
ground can be represented by an array of equivalent
surface current, which also can be modeled by electric
dipoles with physic optics (PO) method [6]. The radiation
from this finite ground can be calculated according to
(only y- component is shown)'

P deXALX Zy 3 —]ﬂr
E ((U) z— Oﬂo( - 3 3) ° (3)

/ o dnr Or N
where N is the mesh number of finite ground, r is the
distance from a mesh center to observation point (x, y, z),
AL¥ is the k" mesh length along x-direction as shown
in Fig. 1. Figure 2 shows the illustration of radiation
calculation from typical ALSE method configuration.
The total radiated field from the TL-finite ground plate
system (ET@&HT@ consists of two components;
namely, the field due to TL in the absence of the plate
(E™& H™), and the field due to induced currents on
the finite ground plate in the absence of the TL (EP& HP).
In the process diagram, H(s) is tangential magnetic on
surface of finite ground plate and J(s) is equivalent
surface current density on it. While (x, y, z) is Cartesian
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coordinate of field observation point.

To verify the multi-dipole model for the cable
bundle and surface current model for the finite ground
plate [7]-[9], electric fields at the observation point in
Fig. 1 are calculated by the proposed model and MoM,
as shown in Fig. 3. It can be seen that the simulated
electric field from proposed models matches very well
with the result from MoM. Besides the field at the
observation point with 1 m distance, the far field radiation
pattern (0°< 6 <180°) on the plane ¢ = 0° with 10 m
distance are also investigated, which refers to the spherical
coordination system in Fig. 4 (up). Figure 4 (down) also
shows the good matching of radiation pattern at 300 MHz,
which are calculated by MoM and surface current model
respectively.

Finite Ground Plate

Icum Z 1]
EUTRG 2 (oad

M cable Bundle
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Division of Cable Discretization of
Bundle Finite Ground Plate

m — 3| H™M) +H™ pirar(s)
{_ Multi-Dipole

Y
‘ E™(xy,2)& H™(xy,2) ‘ EF(xy,2)& H7(xy,2) ‘
[ ]

ETOHI(X,y,Z)& HTDul(X,y,Z)

Fig. 2. Hlustration of radiation models from cable bundle
based on the multi-dipole model and the finite ground
based on the surface current model.
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Fig. 3. Comparison of electric field in vertical (upper)
and horizontal (lower) polarization at observation point
between surface current model and MoM model.
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Fig. 4. Radiation pattern from the MoM and the surface
current model on the plane ¢=0° at 300.

IHl. IMPROVING ACCURACY OF
RADIATION PREDICTION WITH
CORRECTION FUNCTION

According to CISPR 25, the ALSE test method must
be implemented in an anechoic shielded chamber with
a specific test antenna. From 150 kHz to 30 MHz, an
active Rod antenna (SCHWARZBECK VAMP 9243 in
this work) can be used to measure the vertical electric
coupling field; from 30 MHz up to 1 GHz a Bilog
antenna (TESEQ CBL 6141B in this work) can be used
to measure both the vertical and horizontal electric field,
as shown in Fig. 5. The proposed simplified and ideal
radiation models are problematic due to the complex
behavior of the anechoic chamber, where peripheral
systems and reflections from the chamber walls can
influence the antenna voltage. Thereby it is necessary
to take these factors into account. For this purpose a
measurements based calibration procedure is proposed.

A 1.5 m long single wire, fed by a sinusoidal signal,
is used. Then corresponding correction function for the
ALSE environment can be obtained:

KC = Esim -E (dB)

antenna

+ AF,

' “4)
Eantenna antenna (dB)
Here Eanenna i the measured electric field, which is the
sum of antenna voltage Vanenna and the specific antenna
factor AFanenna. It involves the influencing factors from
ALSE environment. Esin is the simulated field at the
antenna reference point based on the scanned current
data from the measurement configuration model. It
involves errors from current data and radiation models.
For high accuracy, the measurement equipment and all
the coaxial cables in process of current scanning should
be maintained similar as in the process of antenna
measurement. These correction functions are the
fingerprint of a test chamber and will vary from location

=V

antenna
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to location. Therefore calibration procedure needs to be
applied in each test chamber to obtain their respective
correction functions. This procedure can also be a very
useful method to compare different test chambers.

Active Rod
Antenna

Fig. 5. ALSE test configurations for the active Rod
antenna (left) and the Bilog antenna (right).

A. Calibration by an active Rod antenna below 30
MHz

In the active Rod antenna set-up as shown in Fig.
5 (left), the active impedance convertor should give
a frequency independent coupling factor, due to the
high input impedance. However, taking into account the
capacitive coupling between metallic table and chamber
floor, as well as the inductive coupling from connected
coaxial cable to antenna, this coupling factor is no longer
a straight line [10]. For example in Fig. 6, a rise occurs
above 2 MHz in the ALSE test configuration, depicted
by measurement curve labeled by ALSE. When the
calibrated wire and active Rod antenna are placed on the
chamber floor to remove the capacitive table coupling,
this rise cannot be observed anymore as denoted by the
measurement curve labeled by Chamber-Floor. Some
measures could suppress the coupling effects in the ALSE
configuration to guarantee the test accuracy, for example
adjusting the antenna height or counterpoise grounding.
The correction function K¢, which describes the deviation
between antenna measurement and simulation from
2 MHz to 30MHz, is about 7 dB. Here the simulation
is based on multi-dipole model for the wire and mirror
model for the ground plate. K¢ can be used as a correction
function to compensate the error due to capacitive table
coupling.
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Fig. 6. Normalized measured and simulated data from the
calibration of active Rod antenna.
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In order to fix low-frequency problem using current
scan method, directly measured cable voltage by a
Common-mode Voltage Probe (CVP) [11] with known
coupling function Kcve can be used as alternative to
evaluate radiated field at very low frequencies. The
function Kcve between the measured cable voltage and
the measured electric field of active Rod antenna is about
45 dB below 5 MHz, and it can be defined by:

Keve =Veare —E (dB)

Rod —antenna

E v 0
Rod-antenna — ¥ Rod—antenna + AFRod —antenna (d B)

This coupling function should be constant at low
frequencies, but it will vary with different CVPs, active
Rod antennas or test sit

B. Calibration by a Bilog antenna from 30 MHz to
1 GHz

In the analysis of active Rod antenna below 30 MHz,
the mirror currents and multi-dipole radiation model in
simulations are accurate enough to model the metallic
table in Fig. 5 (left). However for the Bilog antenna used
from 30 MHz to 1 GHz, an infinite ground model and
mirror theory cannot reflect the influence of the finite
metallic plate, especially in horizontal polarization.
Therefore, the more accurate surface current model
is used. To calculate the correction function with (4),
the wire current distribution measurement and antenna
measurement are both required. Figure 7 is the
configuration to acquire current amplitude distribution
on the single wire in the frequency domain. Current
acquired in time domain is similar to this configuration,
but an extra reference probe is needed.

RS 232-Fiber
pC Converter
Q: — == Optical
e Fiber
Current
Probe
EMI Receiver
GPIB 0

Fig. 7. Calibration configuration for the current scan
method in frequency domain.

In the calibration of the Bilog antenna using
frequency-domain current scan method, the wire current
amplitude distribution is measured by an EMI receiver
and the phase distribution is retrieved by proposed
retrieval algorithm. Then they are applied to calculate
electric fields at reference point depicted in Fig. 5 (right),
based on multi-dipole radiation model for the wire and
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surface current model for the finite ground plate. Figure
8 shows the vertical electric field from direct antenna
measurements, proposed simulation methods, and MoM.
Kc denoted in plot is the correction function according
to Equation (4), representing the deviation between the
simulated field based on scanned current and the measured
field directly from Bilog antenna. Also horizontal field
at reference point is calculated as shown in Fig. 9.
Compared with the vertical component, the horizontal
component in measurement is more sensitive to the
configuration, especially at high frequencies.
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Fig. 8. Measured and simulated vertical field from the
calibration configuration based on the scanned current by
the EMI receiver.
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Fig. 9. Measured and simulated horizontal field from the
calibration configuration based on the scanned current by
the EMI receiver.

Likewise, calibration of the Bilog antenna using
time-domain current scan method is implemented with
the same procedure. But current amplitude and phase
along the calibrated wire are both acquired from an
oscilloscope and FFT transformation.

C. Load dependence of correction functions

In the calibration procedure shown above, the single
wire is terminated by a 50 Q load. Correction function
is nearly a constant with different loads in the active
Rod antenna calibration. However, in the Bilog antenna
calibration the correction function varies with different
loads over frequency resonance minimums. Therefore,



different loads terminated at the calibrated wire can
obtain a set of correction functions. The average of
these correction functions is more reasonable, because
the common-mode current on a real cable bundle would
encounter complex terminal circumstances at different
frequencies. Figure 10 present the correction functions
with short, open, 1 kQ loads and their average data in
the vertical polarization, respectively. It can be observed
that an apparent difference in correction functions due to
different loads occurs around 200 MHz, 400 MHz, 600
MHz, 800 MHz and 1000 MHz in vertical polarization,
which are also around resonance minimums in vertical
electric field curve as shown in Fig. 8. With the same
procedure average correction function also can be
obtained in the horizontal direction.

Vertical component

i
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Fig. 10. Correction functions in the vertical polarization.

IV. RESULTS AND EXPERIMENTS
In order to verify the proposed simulation methods
considering real ALSE environments, a cable bundle
with seven wires is used. Moreover, a real stepper-motor
systems is also built to verify proposed methods and
improvements.

A. Cable bundle with seven wires

Figure 11 shows the test configuration according
to ALSE method. Fed cable is driven by a 3.3 V digital
signal with 40 MHz, of which rising time and falling time
are about 2.5 ns. Source wire is terminated by a 50 Q load,
and other wires are terminated resistors. In the antenna
measurement the reference point of Bilog antenna is 1 m
distant to the cable bundle center. The antenna voltage is
measured by the EMI receiver (average detector, 120 kHz
BW, and 5 ms MT). In the current scan methods, the
CM currents on the cable bundle are acquired by the EMI
receiver with same setting as the antenna measurement,
or acquired by the oscilloscope (single sweep, 550 ps
sample time, and 0.5 ns interval time). Multi-dipole
radiation model for the cable bundle and surface current
model for the finite ground are applied to predict the
radiated field at the reference point of Bilog antenna.
After correcting these predicted results using the available
correction function, the comparisons between the direct
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antenna measurement and the simulation are depicted in
Fig. 12 (only vertical polarization is shown here).

- %(?@@

m
“0.8mm

Source Box ‘ Cable Bundle |

Fig. 11. Configuration with seven-wire cable bundle.

Figure 13 depicts the deviation bar charts compared
with the antenna measurement. Twelve main harmonics
(integral multiples of the fundamental-frequency 40 MHz)
are shown. In vertical polarization, most deviations from

the current measured by the EMI receiver are below 4 dB.

Deviations from the current measured by the oscilloscope
can be less than 5 dB except at 360 MHz. Compared with
vertical fields, the calculated horizontal fields show higher
deviation. Maximum deviation from simulation nearly
amounts to 13 dB at 280MHz and 480 MHz. The proposed
averaged correction functions from the calibration
procedure can improve the predicted accuracy of current
scan methods. For example, the simulation results
including correction functions can improve the accuracy
by 1.5 dB ~ 11 dB in the vertical field and 3 dB ~ 13 dB
in the horizontal field at main radiation peaks, as shown
in Fig. 14. However, the accuracy of horizontal field at
280 MHz is reduced after adding an unreliable value of
8.3 dB. This frequency is close to 300 MHz, where the
correction function is very sensitive to load impedances.
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Fig. 12. Vertical electric field from the antenna
measurement and the simulation based on the cable
current scanned by EMI receiver and oscilloscope (OS).
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Fig. 13. Deviations of calculated fields based on the cable
current scanned by the EMI receiver and the oscilloscope
(OS) compared with antenna measurement.

[N
N
o

= —Antenna Measurement 3.33d8 3.3 dB

S 100 -=- Simulation (uncalibrated) | 680 dB f 10:1td

& go|-°-Simulation(calibrated ; Cx 64ds |t

S, P 2.91dB A ‘ !
= 60 | i SRR
2 4.34 d8 @) \

g 40 2! 'c/lEl B |
i L\ |3.05 B . 3 N
20! L

£ Hds ;
S:L 80 12.14dB 578 dB \/ 10.04dB ’// \ B
g w0 Sy
s | 1 | T e — T W~k
UJg 2 MMM vontpess v g
%o 100 f[MHz] 500

Fig. 14. Electric fields from antenna measurement and
simulation based on the cable current scanned by the
EMI receiver with and without correction functions.

B. Stepper-motor drive system

Figure 15 shows the radiation test configuration with
the Bilog antenna (30 MHz to 1 GHz) and the active Rod
antenna below 30 MHz. For flexibility in programming,
a microcontroller board (Ardunio with16 MHz-clock
frequency) with a motor drive board is applied as EUT,
which is similar to typical automotive electronic control
units. A 20 dB pre-amplifier (Rohde&Schwarz Hz-16) is
used to improve the measurement dynamics.

Ardunio

ntroI-Un Stepper-Motor

—{e]

Cable Bundle

Fig. 15. Analyzed configuration of a stepper-motor drive
system.

EMI receiver (average detector, 120 kHz BW, and 5
ms MT) is used to measure the antenna voltage, and the
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voltage can be transferred to electric field at the antenna
reference point with the antenna factor. Electric fields
at the reference point are also calculated based on the
acquired cable current by the EMI receiver with same
setting as antenna measurement, or by the oscilloscope
(single sweep, 550 us sample time, and 0.5 ns interval
time). Figure 16 shows the main radiation peaks of
vertical or horizontal fields, which exceed the average
limits according to CISPR 25. Some of these peaks might
disturb the commercial frequency band, for example the
peak at 96 MHz is located in FM band and it exceeds the
class-2 limit. In addition, the CM current distributions
with respect to these peaks are also depicted. They flow
along the cable bundle in the form of current standing
wave. From these curves, a current distribution in the
order of several decibels in pA also may exceed the
radiation limit, for example the maximal value of current
distribution at 384 MHz is less than about 10 dBuA.
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Fig. 16. Average limits for radiated disturbs from CISRP
25 and main radiation peaks from stepper motor drive
system associated with the corresponding common-mode
current distributions.

As well as the prediction of radiated emissions
above 30 MHz, radiated emissions from the stepper-motor
drive system at low frequencies are also investigated.
Figure 16 (right) shows the active Rod antenna test set-
up according to the ALSE method. Due to the difficulty
of the proposed frequency-domain scan method to
predict the field emission at low frequencies, only time-
domain scan method is applied here. Capacitive coupling
from the metallic table to the chamber ground can be
corrected by K¢ denoted in Fig. 17. Calculated results
from time-domain scan method and antenna measurement
are both depicted in Fig. 6. It can be seen that simulation
has high accuracy at the clock frequency of 16 MHz and
the first harmonic of 32 MHz, where the error is less than
2 dB. However, the results still have a large deviation
below 5 MHz, due to the high sensitivity of the multi-
dipole radiation model to phase distribution error.
Moreover, the noise from the pre-amplifier during current
acquisition at low frequencies is also an important factor
in degradation of the prediction accuracy. In order to
solve this problem at very low frequencies, the cable



voltage measurement by the CVVP with correction function
Kcve is another alternative as shown in Fig. 6. Figure 18
depicts the vertical field from direct antenna measurement
and the cable voltage minus Kcyp in decibel. Compared
with cable-current based alternative, the cable-voltage
based method can obtain better prediction accuracy with
higher reliability especially below 5 MHz.
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Fig. 17. Vertical electric fields from the stepper-motor
drive system by the antenna measurement and the

simulation based on the cable current scanned by the
oscilloscope.
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Fig. 18. Vertical electric fields from the stepper-motor
drive system by the antenna measurement and the cable
voltage measurement.

V. CONCLUSION

This paper proposed some measures to improve
the accuracy of radiation prediction, which is based on
current scan methods and typical ALSE radiation models
in previous works. After acquiring current on the cable
bundles, the electromagnetic fields can be calculated
quickly by a multi-dipole model and surface current
model. Real ALSE measurement environment influences
need to be integrated in the simulation models for the
comparison to the direct antenna measurements.
Therefore, In order to reduce the deviations a calibration
procedure was introduced to improve the prediction
quality. In the calibration procedure, average correction
functions was used considering different load impedance
in real test scenarios. Moreover, a CM voltage alternative
was proposed to predict radiation, which can overcome
the low-frequency problem when using current scan
methods. For validation of the methods, different
configurations were analyzed. Radiated emissions from

JIA, LAL,L WANG, LI: PREDICTING RADIATION OF CISPR 25 COMPLAINT ALSE ENVIRONMENT

a seven-wire cable was analyzed. Furthermore, a 4-wire
bundle terminated with a stepper-motor and a micro-
controller based motor driver were investigated. It could
be shown that the proposed measures can improve
prediction accuracy effectively considering the real
ALSE configuration.
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Abstract — We introduce a novel approach for tuning
the bandwidth of metal mesh THz filters. Our approach
utilizes the adjoint sensitivity with respect to user-
defined shape control parameters. Derivative-based
optimization is exploited to evolve the initial template
of the filter to a new design which satisfies the design
specifications. We suggest a smoothing step for the
sharp metallic edges that can be implemented in the
final structure. Examples are presented to illustrate
the efficiency of the technique in tuning the filter’s
bandwidth.

Index Terms — Adjoint sensitivity, derivative-based
optimization, frequency selective surfaces, metal mesh
filters, simulation, terahertz filter.

I. INTRODUCTION

The Terahertz (THz) frequency range has recently
attracted the attention of many researchers [1-10] because
it can be used for many applications such as space-based
astronomy [2], biotechnology [3], THz spectroscopy
[4], imaging [5-6], materials’ research [7], security for
military and civil applications [8], and sensing [9]. In
addition, greater bandwidths are expected from wireless
communication systems operating in the THz range.
Such systems would require new types of filters. This is
one of the motivations for the current research on filter
designs that operate in frequency bands from hundreds
of GHz to few THz [10].

THz bandpass filters (BPFs) [11-12] are used to
eliminate out of band radiation reaching the detector or
limit the radiation from a broadband source. In addition,
a BPF can be used to improve the signal-to-noise ratio
for better detection and measurement by blocking
out-of-band thermal radiation. Terahertz BPFs may be
classified into three main types; absorption filters [13],
multilayer dielectric filters [14], and metal mesh filters
[11]. The cross absent filter (CAF) is one of the most
successful metal mesh bandpass filters because of its
simple design and manufacturability. The CAF filter’s
response is determined by the geometrical dimensions of
each cell, i.e. the arm length and width. Previous studies
[11,15-16] succeeded in adjusting the filter response by
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tuning these geometrical parameters, in addition to the
periodicity [17].

The previous approaches in [11,17] had limitations
in improving the performance of the filter. Tuning was
carried out with the cross arm length and width, and
the periodicity. To improve further the performance of
CAF bandpass filters, we introduce a derivative-based
optimization algorithm that is capable of evolving the
filter geometry by exploiting the well-studied adjoint
sensitivity technique [18-20]. Our optimization approach
exploits more geometrical variables thus enabling more
degrees of freedom to improve the performance. The
sensitivities are estimated using only one EM simulation
regardless of the number of designable parameters. In
our approach, the finite element electromagnetic solver
ANSYS HFSS [21] is driven by a MATLAB optimization
algorithm to change the bandwidth of the filter while
maintaining the same centre frequency.

I1. OPTIMIZATION PROBLEM
The optical performance, i.e. the transmission of
the filter, is a function of the parameters of the filter
geometry. Therefore, an efficient optimization algorithm
is required to get the optimal parameters that achieve the
desired performance.

A. Obijective function
The addressed design problem can be put in the
following mathematical form:

min F (@, X) , (1)
subject to: g(x)<0. (2)
where F(w,X) is the objective function (e.g., magnitude

of the S-parameters) to be minimized over the desired

frequency range and X € R" is the vector of designable
parameters. This objective function includes all the design
specifications over different frequency bands. The vector

g(x) represents the linear and nonlinear constraints.

B. Adjoint sensitivities
The sensitivities of the S-parameters with respect
to all design parameters can be obtained at minimal extra
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computational cost exploiting adjoint sensitivities. The
original simulation supplies the S-parameters and their
sensitivities with respect to all parameters. This technique
is known as self-adjoint sensitivity analysis (SASA) [18].
Variations of this approach are available in a number of
commercial EM solvers (e.g., ANSYS HFSS).

In the frequency domain, the objective function is
formulated as a complex function F (x, E) where E is the
vector of electric fields in the frequency domain. E is the
solution of the linear system of equations representing a
frequency domain method with the system matrix Z and
the known excitation vector Q [19]:

ZE=Q. 3

By computing the original E and the adjoint E fields,
the sensitivities of the objective function with respect to
the jth parameter are given by [19]:

oF 1ox, =E" ((6Q/ox,)—(8(ZE)/ox,)), ¥i ()
where E is the solution of (3) at the current set of
parameters. Estimating (4) for all parameters requires only
the original and adjoint field information. The derivatives
of the system matrix with respect to all parameters are
already available through the utilized frequency domain
solver.

1. METHODOLOGY

The metal mesh filter design in the THz range
consists of a frequency selective surface (FSS) with a
repeated pattern of fixed template. In our work, the
pattern template shown in Fig. 1, is evolved during each
step. This creates new filter templates that is more likely
to satisfy the required design specifications. For a metal
mesh filter with fixed thickness, the filter is divided into
four two-dimensional symmetrical quarters allowing each
quarter to evolve according to the optimization algorithm.
N control points are selected on each quarter including
one point on the horizontal x-axis and another one on the
vertical y-axis. The origin is considered the centre of the
filter template with constant coordinates. It follows that
for N control points, we have (2N-2) design parameters
in addition to the length of the unit cell of the array G.
This results in (2N-1) design parameters. The vector of

design parameters x =[x1,x2, Yoi gy Yare e Xy 2 Yn_2s yN_l,G]T
is shown in Fig. 2. The initial values of these points are
set and passed to the EM simulator HFSS. HFSS then
simulates the structure and returns both the S-parameters
at the selected frequencies and their adjoint sensitivities
with respect to all the design parameters. These
sensitivities represent the gradient to be utilized within
the optimization algorithm. A custom script is used to
control HFSS and allow the MATLAB optimizer to drive
the EM simulator. The built-in constrained optimization
algorithm in MATLAB, which is derivative-based
optimization, is utilized to reach the optimal set of design
variables satisfying the design specifications.

ACES JOURNAL, Vol. 34, No. 8, August 2019

Fig. 1. The main dimensions of a one cell of a cross-
absent metal mesh filter.

G
7 6
5
4 3 2

1 G

(0,0)

Fig. 2. The control points (1, 2..., 7) with control variables
(X1, X2, Y2... , Y7, G) that enable the optimizer to evolve
the filter template.

Following this procedure, the shape of the filter
evolves to a completely different one from the initial
template. In some cases, the optimal design may include
some sharp edges which could make the filter design too
lossy or unrealistic. In our work, we added a smoothing
approach as a final step so that design template is
smoothed.

V. EXAMPLES

In our examples, we utilize a cross absent filter
(CAF) with initial template parameters from [11,17] and
a 12 um thick copper grid operating at 2.1 THz. We are
interested in controlling the bandwidth of this filter. We
use one quarter of the filter due to its symmetry. Seven
vertices are selected resulting in a total number of
parameters of 13 after the length of the unit cell is
included (x € R™, n=13). COMSOL Multiphysics [22]
is used to verify the simulation results obtained using
HFSS for the initial filter template. Good matching is
achieved confirming the accuracy of our simulations.

First, we consider the case where our target is to
widen the bandwidth of the initial bandpass filter while
keeping the same resonant frequency. The objective
function is the transmittance |S,,|?of the BPF which is
to be maximized over the frequency range from 1.4 THz
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to 2.6 THz. Assuming that the response is symmetrical
around the centre (resonant) frequency of 2.1 THz, the
optimization problem is given by:
max miin{|S21 (f,, x)|2} : (5)
subject to X SX<X,,
where, 1.4THz< f, <2.6THz, i=12,...,26.

To increase the bandwidth of the filter response, we
have to maximize the minimum of the transmittance over
the defined frequency range. EM simulations are carried
out for 26 linearly distributed frequency points over the
bandwidth 1.4 THz to 2.6 THz. x; and x,, are the lower
and upper bound constraints preventing the evolution to
an unrealizable design. The minimax optimizer starting
from the initial point x, drives HFSS to calculate the S-
parameters and sensitivities. These steps are repeated
until the predetermined stopping criteria achieved. Following
this procedure, we obtain the optimal parameters values
xs that are listed in Table 1.

Table 1: Initial (x,) and final (x;) values of the control
parameters for broader bandwidth filter design template

Parameter Xo (um) X; (um)
X1 36.5 39.4
X2 10.5 225
Y2 36.5 47.0
X3 10.5 20.2
Y3 24.0 25.6
X4 10.5 26.8
Y4 10.5 29.2
Xs 24.0 25.6
Ys 10.5 19.7
Xe 36.5 45.7
Yo 10.5 24.8
Y7 36.5 47.0
G 113.0 108.8

Figure 3 (a) shows the final filter template. We then
eliminate the sharp edges of the optimal design with two
different smoothing approaches according to the position
of these sharp edges as illustrated in the Fig. 3 (b). The
achieved response in Fig. 4, i.e., the optimal one before
smoothing. This results show that the bandwidth has
been increased by almost 3 times as compared to the
initial design. The smoothed filter templates using the
both smoothing approaches (additive and subtractive)
are shown in Fig. 5. The smoothing responses are similar
to the optimal one as shown in Fig. 6. One advantage
arising from the smoothing step is that it maintains the
same symmetry of the final template as the original
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(initial) one. Hence, the optical properties of the filter
remain independent of the polarization of the incident
wave. The same steps were carried out to achieve a
narrower bandwidth template, and it successfully shows
the capability to obtain one third of the original bandwidth
around the same resonant frequency 2.1 THz.

(@) (b)

Fig. 3. (a) A top view of the optimal (final) design for
the filter with a wider bandwidth. (b) The smoothing
process, the dashed line shows the first subtractive
smoothing approach while the dotted line shows the
other additive smoothing approach.
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Fig. 4. The transmittance of the initial filter template
(...), and of the final (optimal) design (—).

(@) (b)

Fig. 5. A top view of the first smoothed (modified)
version of the filter with a wider bandwidth: (a)
subtractive smoothed 1, and (b) additive smoothed 2.
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Fig. 6. The transmittance of the optimal filter template
(—) and the two smoothed versions for the wide band
filter (0) and (+).

V. CONCLUSION

In this work, we presented an optimization
algorithm that exploits efficient adjoint sensitivity
analysis to evolve the geometry of the cross-absent metal
mesh THz filters. We are able through simulations to
increase or decrease the bandwidth by a factor of three.
The final (smoothed) design is polarization independent.
In addition, it is easy to fabricate and integrate with other
THz systems. The presented technique offers a systemic
approach for adjusting the bandwidth of the THz filters
for different applications.
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Abstract — This study compares the performance of time
series models for forecasting electromagnetic radiation
levels at Yesilce neighborhood in Mus, Turkey.

To make successful predictions using EMF time
series, which is obtained in the 36-month measurement
process using the calibrated Wavecontrol SMP2 device,
nine different models were used. In addition to Mean,
Naive, Seasonal Naive, Drift, STLF and TBATS standard
models, more advanced ANN models such as NNETAR,
MLP and ELM used in the R software environment for
forecasting. In order to determine the accuracy of the
models used in the EMF time series used in the study,
mean absolute error (MAE), relative mean absolute error
(RMAE) metrics were used. The best results obtained
with NNETAR, Seasonal Naive, MLP, STLF, TBATS,
and ELM models, respectively.

Index Terms — Electromagnetic radiation,
forecasting models, MLP, NNETAR, time series.

ELM,

I. INTRODUCTION

Based on past and current data, predicting the future
and making plans according to it has a very great
meaning for practical life. Predicting the future is of
great importance in health as well as in many areas.
Time series analysis for forecasting of time depending
variables, which is the collection of data at specific
intervals over a period is not new [1], but is an important
area of machine learning. Usually, the measurement of
time series is made at regular time intervals that are a
list of observation where the ordering matters. Due to
dependency, ordering is very important in time series. In
other words, changing time series of measurements
means changing means of the data. Time series analysis
is frequently used to estimate a relationship between
adverse health outcomes and short-term exposes to
ambient electromagnetic radiation (EMR) [2]. Modeling
some forecasting models for low-frequency high voltage
EMR characteristics based on these historical data may
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be useful. In order to model the time series correctly and
efficiently and predict the future, it is possible to find
many important models in the literature.

Therefore, time series used extensively in the fields
of industry, engineering, and science, especially in the
fields of economics, business, physical sciences [3], and
finance.

The research question in this paper is that in living
environments weather EMR effects on humans and
forecasting EMR time series data using popular
algorithms.

The main objectives of this study are: To act an
empirical study and compare analysis and highly
extensible forecasting methods of R, which is a language
and environment for statistical computing and graphics.
To compare the performance of statistical and ANN based
models. To investigate the influence of electromagnetic
radiation on humans.

1. MATHEMATICAL BACKGROUND

Time series are sequential measurements data points
of the same variable over successive times. Our EMF
time series can be mathematical defined as a set of
vectors {Xi, X2, X3, ..., x7}, t=0,1,2,3,..., T, where T is
the set of times at which the process was, will or can be
observed, t is an index denoting the period in time in
which x occurs. Here x; is treated as a random variable.
Time series are called univariate or multivariate
according to the time-dependent variable they contain.
The EMF time series used in this study is called
univariate because it is based on one time-dependent
variable [4].

For a time series modeling a general approach is to
plot the series and examine the main features of the
graph, checking in particular whether there is (i) a
trend, (ii) a seasonal component, (iii) any apparent sharp
changes in behavior and any some observations [5].

In time series, forecasting predictor variables are
used usefully. In this study, we wish to forecast the
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monthly low-frequency electromagnetic fields (EMF) of
a high voltage electric lines. A model with predictor
variables might be of the form:

EMF = f (device sensitivity, distance, time,a). (1)

The € term on the right allows effects of relevant
variables and for random variation that is not included in
the model. Since the model helps explain, what causes
the variation in EMF it can be calls, explanatory model.
In this situation, a convenient time series forecasting
equation is of the form:

EMFt.1= f (EMFi, EMFt-1, EMFt-2,...,&), (2)
where t is the present month, t+1 is the next month, t—1
is the previous month, t—2 is two months ago, and so on

[6].

A. Forecasting methods in R

The statistical functions of the R language are very
strong. In this study, all functions such as Mean, Naive,
Seasonal Naive, Drift, STLF, and TBATS, which are
used for prediction purposes in the R environment,
are defined within the forecast class. All of the above-
mentioned functions can be used for prediction of the
desired time series after importing the forecast class. The
following paragraphs give a brief description of these
functions:

The Main method in the forecast class, which returns
estimates and prediction ranges, for an independent and
identically distributed (iid) model that is applied to the
time series. If we use the data of EMF time series y1, Y2,

Vs, ..., Y1, then we can write the forecasts as:
_ y1ty2tyz+-+yr

Proay = L2 (3)
Where, the left side of the equation expresses the short-
term forecast, in other words, it means the forecast yr:a
taking account of y1, y2, Vs, ..., yT and A is the forecast
horizon.

We used the Naive method for forecasts and we
simply set all forecasts to be the value of the last
observation of the EMF dataset. That is,

Yriar = Y- “)
The Seasonal Naive method, which is a similar and
useful method for highly seasonal data. Using this
method, we foresee that each estimate will be equal to
the last observed monthly value starting from the same
month of the year.

Estimating the monthly EMF, which is normally
much more than T + A, can be written as follows:

Yrear = Y1+ 4-a(@+1) Q)
where a is the seasonal period and f is the integer part of
(A—1)/a. For example, with monthly data, the forecast for
all future January values is equal to the last observed
January value.

One of the simplest method to predict using the
general trend of the time series is the Drift method, a
variation on the naive method. Thus, the forecast for time
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T+A is given by [6]:

Vrear =yr+ ﬁz‘.{:z()’t —Yee) =Y t+ A(%) (6)
The Drift method is equivalent to drawing a line between
the first and last observations and calculating it for the
future. TBATS model uses a combination of Fourier
terms with an exponential smoothing state space model
and a Box-Cox transformation. One drawback of TBATS
models, however, is that they can be slow to estimate,
especially with long time series. The STLF function,
which is expressed as seasonal and trend decomposition
using loess, is a fairly simple yet powerful estimation
function. The STLF model assumes that time series can
be divided into trend, seasonality, and error components.

B. Artificial Neural Networks (ANN) in R

Artificial neural networks (ANNS), which is accepted
as one of the applications of artificial intelligence, is the
information processing technology that analyzes the
existing data by mimicking the working structure of the
human brain and creates new information with different
learning algorithms. In this study, along with the
NNETAR algorithm, which is based on the artificial
neural network in the Forecast class, multilayer perceptron
(MLP) and Extreme learning machines (ELM) algorithms
in the NNFOR class were used.

The neural network autoregression (NNAR) model
consists of three layers: input, hidden and output. This
model is defined in the R forecast library and the NNAR
model becomes available after the forecast library is
imported. It generally performs better than conventional
algorithms such as Main, Naive, Seasonal Naive, and
STLF. The NNAR model is a parametric and non-linear
estimation model [7]. The MLP is a fully connected feed-
forward networks, supervised learning network with up
to one or more hidden layers, and probably the most
common network architecture in use. Training of the
model is usually performed by error backpropagation
or a related procedure [8, 9]. The ELMs are also feed-
forward neural networks, primarily used in classification,
regression and clustering with a single layer or multiple
hidden node layers. They are especially preferred in
terms of presenting models for a large class of natural
and artificial phenomena, which are difficult to handle
using classical parametric techniques [10].

C. Predictive results comparative analysis
The estimation error of a model can be defined as
the difference between the actual value of the model and
its estimated value. It can be written as [6]:
€144 = YT4+4— yT+A|T' )
where the training data is given by {y1, 2, Vs,..., yr} and
the test data is given by {yr+1, YT+2, Y143, ... }.
The performance of the models used in this study
was evaluated using statistical metrics such as the mean
absolute error (MAE) and relative mean absolute error



(RMAE). The MAE, which is measures the average
absolute deviation of forecasted values from original
ones can be defined as:

1
MAE = ;Z?:1|3T+A|- (8)
Where n is the number of observation. The RMAE is
used to evaluate models [11]:

1
RMAE = mZ?zlleTMI- 9)

MAE is the average absolute deviation of forecasted
values from original ones.

1. IMPLEMANTATION AND DISCUSSION
The dataset used in this study was obtained as a result
of 36 months of regular measurements. Measurements
were made at a height of 2.9 m from the high voltage line
and 2.5 m from the ground. In the measurements, the
highest EMF value was measured as Enax=6792 V/m in
January 2018 and the lowest value was Emin 5388 V/m in
July 2017. All measurements made at the points where
high voltage lines are located in Yesilce neighborhood of
Mus province have been carried out according to the
standards determined by ICNRP. The measurement time
was made as the average of 6-minute measurements as
determined by these standards. These values measured
monthly using the Wavecontrol SMP2 device exceed
ICNIRP (1998) and Council of European Union (1999)
public exposure limits. Using the R programming language
version 3.5.1, all analyzes were performed in RStudio.
In addition, the time series is divided into multiple
components using the decomposition method to make
predictions more realistic. Equipment used for the
periodic measurement of the electric field of high voltage
lines in outdoor environment and decomposition graphs
of the data obtained in the measurements are shown in
Fig. 1 and Fig. 2, respectively. As seen in the time series,
it is observed that electricity consumption decreases in
summer and increases in winter months. Accordingly,
EMF values also varied. By using decomposition method
in the Studio environment, EMR time series is divided
into four components as data, seasonal, trend and
remainder. These components are shown in Fig. 2.

Fig. 1. Periodic measurement image under high voltage line.
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Fig. 2. The EMF data series (top) and its three additive
components.

In the first analysis, the first 30-month portion of the
EMF time series, which was generated as a result of the
36-month measurement, was used for training (84%)
purposes, and the remaining were used for testing (16%)
purposes.

In the second analysis, the dataset was divided into
70% and 30% for training and testing, respectively. It is
also necessary to consider the forecasting horizon (A)
when using forecasting methods. For all functions used
in the analysis, the value of the A parameter was taken as
12 for the prediction of the next 12 months.

In order to have a better understanding on the
performance of the selected methods, the performance
metrics of the forecasted methods are shown in Table 1.
When both MAE and RMAE performance metrics were
evaluated together, Seasonal Naive from the standard
functions showed the best performance, whereas, for
neural network functions, the NNETAR function showed
the best performance. In general, the RMAE average
value of ANN algorithms such as NNETAR, MLP,
and ELM is smaller than the average value of the
other classical algorithms. This result shows that ANN
algorithms perform better than classical algorithms [7].
As shown in Table 1, the division of the dataset (84%,
16%) for training and testing operations resulted in a
better performance than dividing by (70%, 30%).

Table 1: Comparison metrics of forecasting methods

Training (84%) | Training (70%)

Model Strategy | oot (1605) Test (30%)
Method/Metric | MAE | RMAE | MAE | RMAE
Seasonal Naive | 190.66 | 0.184 | 262.36 | 0.475
STLF 205.59 | 0.198 | 262.47 | 0.476
TBATS 209.86 | 0.202 | 239.80 | 0.434
MEAN 402.90 | 0.389 | 358.98 | 0.650
NAIVE 434.00 | 0.419 | 585.18 | 1.060
DRIFT 473.65 | 0.457 | 606.68 | 1.098
MLP 205.55 | 0.197 | 504.76 | 0.880
NNETAR 183.71 | 0.177 | 486.75 | 0.875
ELM 303.04 | 0.292 | 612.13 | 1.108
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The visual predictions of the classical algorithms
defined in the Forecast class and the ANN algorithms
defined in the NNFOR class are shown in Fig. 3 and Fig.
4, respectively.

6800 -

6400 -
Forecast

A ot

Electric Field (V/m)

2016 207 2018 2019
Time (Month)

Fig. 3. Comparative forecasts for EMF monthly time
series.

As shown in Fig. 3, considering the seasonal changes
in the EMF time series, it is possible to say that the
12-month estimates of the Seasonal Naive, STLF and
TBATS functions are quite satisfactory.

The MLP and ELM models used in the estimation
process consisted of three layers. The numbers of neurons
in the inputs, hidden and output layers of each model
were respectively (3, 5, 1) and (3, 17, 1). As shown in
Table 1, ANN based algorithms are NNETAR, MLP and
ELM, respectively, based on metric values.

6500
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A Eewm

) e
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6000
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Fig. 4. Future predictions of ANN-based algorithms.

1V. CONCLUSION

In this study, a dataset based on 36-month EMF
measurements was used. The monthly values obtained
in the measurement environment generally exceed the
ICNIRP public exposure limits. In addition, we compared
the accuracy of Mean, Drift, Naive, Seasonal Naive,
STL, and TBATS model as representative methods when
forecasts EMF time series data. The comparative study
of presented work is also performed with the ANN
models for forecasting of the EMF time series. In the

ACES JOURNAL, Vol. 34, No. 8, August 2019

next 12-month forecasting of the EMF time series, the
best performance values were obtained using NNETAR,
Seasonal Naive, MLP, STLF, TBATS and ELM models,
respectively.
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Abstract — A compact, polarization-independent, chipless,
passive Radio Frequency Identification (RFID) tag with
16 bits binary encoding is presented in this paper. The
design is prepared with the placement of 16 Convoluted
Square Loops (CSLs), in a nested loop arrangement. The
proposed CSL structure is formed by inwards semi-
circular bending of each edge of a square geometry. This
configuration not only offers high Quality (Q) factor for
each resonance but also polarization independence. The
design is fabricated on a 1.6 mm thick FR-4 substrate
having an area of 20.8 mm x 10.8 mm. The presented
design occupies small area with the bit density of 7.12
bits/lcm? and requires no unit cell repetition for
enhancing the Q factor. The tag is tested on the
frequency range of 2 to 26 GHz with various E-field
polarizations, in order to achieve a polarization
independent behavior.

Index Terms — Chipless RFID, Convoluted Square
Loops (CSL), Internet of Things (1oT), multi-bit, passive
tag, polarization independence.

I. INTRODUCTION
RFID tags are finding considerable applications in
tracking, sensing, wireless communication and Internet
of Thing (10Ts) [1]. RFID tags offer excellent read rate,
non-line-of-sight communication and longer reader-to-
tag range [2]. RFID tags with integrated chips are
expensive for bulk deployment. In order to make RFID
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tag cost effective, chipless RFID tags are gaining
considerable attention [3].

Generally, RFID tags are classified into two
categories: time domain based and frequency domain
based [2]. Surface Acoustic Wave (SAW) based RFID
tags can have a high bit density up to 64 bits but their
realization is expensive and challenging. On the other
hand, frequency domain based tags can be manufactured
economically with standard fornication technologies like
Printed Circuit Borad (PCB) [4]. For designing
frequency domain based tags, a common practice is to
use metallic loops of same shape but different lengths
and arrange them concentrically on a substrate. A tag, a
reader and a host computer constitute a complete RFID
system [4]. RFID encodes data into a unique binary
pattern with the help of simple radiators/loops that can
be read through the Radar Cross-Section (RCS)
response. Electromagnetic waves generated by the tag
reader induce simultaneous inductive and capacitive
effects on the tag, resulting in the desired resonant
behavior. This resonance pattern corresponding to the
encoded data is detectable through the RCS response [2].
A number of structures have been proposed in literature
such as hexagonal, rectangular or square and E-shaped
[2, 5, 6]. The tag proposed in this paper occupies a much
smaller area than the tags reported previously [2, 5, 6].

The overall shape of a loop dictates the resonances,
Quality Factor (Q) and polarization behavior of the
passive RFID tag. Rectangular shape loops produce

1054-4887 © ACES
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higher Q factor resonance [5]. A symmetric shape makes
a tag polarization independent and a non-symmetric
geometry limits the tag operation in random orientations
[2]. A perfectly symmetric shape such as a circle is best
suited for the polarization independence. However, as
articulated in [2], a circle does not produce a high Q
factor. A trade-off has to be made between the Q factor
of resonances and polarization independence. A
customized hybrid structure having attributes of both,
circle and square has a potential to produce polarization
independent response while also exhibiting considerably
high Q factor.

The rest of the paper is arranged as follows: Section
Il describes the design of the proposed loop/resonator.
Section 11l describes the layout of a full tag in
consolidated fashion. Results obtained from simulation
and testing of the design are discussed in Section 1V.
Finally, Section V concludes the paper.

I1. DESIGN OF A UNIT RESONATOR LOOP

The proposed design of chipless RFID tag is built-
up from a single customized resonant loop that is
modified from a square shape by bending all edges
inwards from the middle in a semi-circular form. The
complete geometry of a unit cell is formed by repeating
the loops with decreasing size with the same geometric
ratio. Two unit cells are placed side-by-side on a single
substrate to form the complete tag.

The proposed geometry combines benefits of square
loops by offering high Q resonance and the modification
on edges allows its frequency independent operation [7].
The high Q resonance is very helpful in encoding large
number of data bits within limited bandwidth thus
allowing various unique combinations for a single tag.
The proposed tag in this work is capable of offering more
than 65,000 combinations which is sufficient to cater for
medium to large scale tagging requirement. The
proposed CSL structure is shown in the Fig. 1 with its
surface current density plot at its resonant frequency.

r 1

D C

l———— L1 —_—l

L:

Fig. 1. CSL structure and its surface current density,
dimensions are L1=L2=10.2mm, W=0.2mm, r=0.8mm.

The area of the CSL is 10.2 mm x 10.2 mm and the
edges are bent inside in the form of semi-circle, each
with radii of 0.8 mm. When electromagnetic waves
illuminate the loop, it responds by resonating at the
operating frequency. The presence of resonance at the
designated frequency is marked as a bit “1” and the
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absence of resonance is perceived as a bit “0”. A binary
data combination of ‘1101001110011001” is illustrated
in Fig. 2 where the simulated RCS response corresponds
to the tag configuration in a particular way.

5 10 15 20 25
Frequency (GHz)

Fig. 2. Simulated RCS results of ‘1101001110011001°
bit combination.

IH1. OPTIMIZATION OF OVERALL DESIGN

The overall size of CSL is optimized through a full
wave electromagnetic simulator HFSS®. The optimized
loop is nested 16 times with each loop scaled down in a
specific ratio. These CSLs are then arranged in the form
of two units of 8 loops each, in a side-by-side
configuration. The edge of a loop is scaled down by 1
mm and radius of semi-circle is increased by 0.5 mm in
each consecutive inner loop. The outer-most loop of the
second unit cell is formed with 9.7 mm edge length and
semi-circle of radii 1.05 mm. Inner loops of this unit cell
are formed in the same pattern as described for the first
unit cell. Separation between loops of both units is kept
at 0.3 mm and overall dimensions of the optimized tag
are finalized at 20.8 mm x 10.8 mm. All 16 loops are of
different electrical lengths thus corresponding to
resonant frequencies that represent a 16-bit binary
coding scheme.

IV. SIMULATIONS AND MEASUREMENTS

The simulation was setup by placing the RFID tag
inside an air box with Perfect Matched Layer (PML)
boundary condition on all the edges. In order to compute
the RCS of the tag a plane wave excitation was setup
which illuminates the tag from the desired direction. A
frequency sweep is added to the setup in the bandwidth
of interest. The simulation was time consuming since a
number of frequency points were included in the sweep.
Once the analysis is completed the bi-static RCS was
computed in the post processing along the swept
frequency. The RFID tag was fabricated through milling
on an FR-4 substrate with the thickness of 1.6 mm and
copper cladding of 1 oz, as shown in Fig. 3. The
measurement setup was established by placing a pair of
UWB horn antennas (TDK-HRN-0118) side-by-side and
the RFID tag was placed in the front to measure bi-static
RCS. Since the tag operates up to 26 GHz, the
measurements were taken in parts initially from 1 to 18
GHz and then the wideband double ridge horns were



replaced with WR-42 (18 to 26.5 GHz) standard gain
horn antennas. The measurements were taken on Agilent
N5242A Performance Network Analyzer. Measurement
setup is shown in Fig. 4.

Fig. 4. Measurement setup.

The comparison of the simulated and measured
results is presented in Fig. 5. The bits are fairly
distinguishable in the measured response. EM analysis
of loop resonating at 3.5 GHz is shown in the Fig. 6.
Electrical length of this loop is calculated to be 44.4 mm
which corresponds to one guided wavelength.
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Fig. 5. Measured and simulated RCS plot.
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Fig. 6. EM analysis of loop resonating at 3.5GHz.
Contrary to the techniques of replicating unit cells
to enhance Q factor, this design does not repeat unit cell.
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The loop itself offers better Q factor as compared to
designs reported in [2, 5, 6]. High Q factor also allows
the enhanced interrogation range. However, that is
highly dependent on the environmental conditions and
the tag background material. In order to verify its
polarization independence characteristics, the tag is read
at various polarization angles by rotating the RFID tag.
The results of 0°, 30°, 45° and 60° polarization angles
are presented in Fig. 7 and the encoded pattern is fairly
readable.

The tag has a capacity of 16 bits and occupies an
area of 2.25 cm? which results in the bit density of 7.12
bits/cm?. The achieved bit density is higher than the
designs reported in [2, 5, 6]. A comparison of this RFID
tag with recent relative references is presented in Table
1.
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Fig. 7. Measured polarization response.

Table 1: Comparison with other designs

Resonator No. of | Tag Size | Polarization
Shape Bits (cm?) Independence
CSL 16 2.24 Yes
(proposed)
Hexagonal [2] 14 2.30 Yes
Rectangular 03 9.60 Yes
[5]

E-shaped [6] 08 17.70 No

V. CONCLUSION

A 16-bit polarization-independent, chipless, passive
RFID tag is proposed in this work. CSL structure has
been used as a resonating element. The design provides
high Q resonance and polarization independence within
a compact size of 2.246 cm?. The tag has high bit-density
of 7.12 bits/cm? and it offers 16 bits binary encoding
option. The tag is fabricated and tested to establish its
performance and the results obtained are in agreement
with the simulations. The polarization independence has
also been tested by rotating the tag at different angles.
The large bit capacity of this tag makes it suitable for use
in medium to large tagging setup and this proposed tag
can offer more than 65,000 unique combinations.
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Abstract — This letter proposes a rotated stacked Yagi
antenna with high directivity and circular polarization.
The proposed antenna consists of three elements with
a rotation angle and different lengths: a director, a
reflector, and a driven element connected to the coaxial
feeder. The coaxial feeding is connected to the driven
element of the proposed antenna via a LC-balun, and the
others are coupled with the driven element. Each stacked
element with different lengths is equally rotated at an
angle of 60° with respect to the lower element so that
the dipole array antenna forms a high directive circular
polarization. The size of the proposed antenna is
0.491, x 0.494, x 0.174, at 2.45 GHz and achieved a
10 dB impedance bandwidth of 6.3%, a 3 dB axial ratio
bandwidth of 8%, and a peak gain of 4.3 dBic.

Index Terms — Array, circular polarization, dipole
antennas, 10T, rotated stacked, Yagi antenna.

I. INTRODUCTION

Recently, the number of wireless communications
for automobiles, unmanned aerial vehicles (UAVS),
internet of things (loT), and health-care sensors is
increasing. In particular, communication performance of
the 10T sensor module with a linear polarized antenna
depends on multi-path effect and polarization loss factor.
The circular polarization (CP) antenna can receive a
signal of a linearly polarized antenna disposed in any
direction. To reduce the polarization loss of the multi-
path effect of the linear polarization (LP) antennas used
on these smart devices, several studies on achieving
circular polarization are being conducted [1]-[13].

Generally, in a single-fed microstrip patch antenna,
the CP is formed by cutting the patch edge of the antenna
[1]-[3] or by disposing the feeding point on the diagonal
line of the patch [4]. Additionally, inserting a U or L-
shaped slot into a patch [5]-[7] is one of the methods to
create the CP. However, the problem with these antennas
is that the area is large owing to the space needed to
place the patches of the antennas. On the other hand, for
multi-fed antennas, the CP can be obtained by a feeding
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network that generates phase differences [8]-[10]. In
[11], each feeding point was provided the signals 0°,
120°, 240° Those phase differences achieved CP. In
addition, studies have conducted using meta-material
or ring antenna structures [12]-[13]. However, these
methods to generate CP need complex feeding networks,
including hybrid couplers or splitters. In this paper, we
propose a simple structure antenna that can achieve a
high directive CP antenna with a single feed. The stacked
structure produces not only circular polarization but also
a high degree of directivity, which makes it suitable for
10T applications at 2.45 GHz.

I1. ANTENNA CONFIGURATION AND
ANALYSIS

Figure 1 shows the configuration and design
parameters of the proposed rotated stacked Yagi antenna
with circular polarization. The proposed antenna consists
of three elements with a rotation angle and a spacing
distance as shown in Fig. 1 (a). In Fig. 1 (b), the proposed
antenna obtains the directivity of the antenna by the
length difference of the three elements and the stacked
structure as a Yagi antenna. Due to the difference in
length of the three elements constituting the proposed
antenna, each of the elements serves as a director that
forms the directivity of the antenna, a driven element that
directly connects to the coaxial feed point, and a reflector
that gets rid of the backside radiation. In addition, each
element of the proposed antenna is arranged with a
rotation angle of 60° with respect to the lower elements
to achieve circular polarization. In this case, in order to
realize a phase difference of 180 degrees with two
elements, they are arranged at a rotation angle of 90
degrees (180/2) between antenna elements. Thus, when
CP is typically implemented in three elements, it is
designed to have a rotation angle of 60 degrees (180/3)
between antenna elements. The operating frequency of
the proposed antenna depends mainly on the length of
the driven element. Therefore, the performance of the
proposed antenna is determined by the spacing distance
and the rotation angle. Figure 1 (c) shows an expanded
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view of the antenna input with the LC-balun. The input
of the antenna is connected to the signal of the coaxial
cable through the LC-balun. Figures 1 (d) and 1 (e)
represent the top and side views of the prototype of
proposed antenna including three antenna supports.

(c) ()

Fig. 1. Geometry of the proposed rotated stacked Yagi
antenna configuration and its prototype: (a) perspective
view, (b) top view, (c) expanded view of antenna input,
(d) top view of fabricated antenna prototype, and (e) side
view of fabricated antenna prototype.
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Fig. 2. Simulated axial ratio and peak gains of the
proposed antenna with regard to the design parameters:
(a) spacing distance, h, and (b) rotation angle, «.
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Figure 2 shows the results of parameter studies for
variation of the spacing distance and angle. The index
on the left represents axial-ratio, and the index on the
right represents the peak gain. As the spacing distance
increases in Fig. 2 (a), where the rotation angle is 60
degrees, the frequency at which circular polarization of
the proposed antenna is formed decreases, while the
peak gain of the proposed antenna increases. Figure 2 (b)
shows the result of the axial ratio and peak gain
according to the angle variation. When the rotation angle
of the elements is 60°, the CP of the proposed antenna is
most accurately obtained. In Fig. 2 (b) with the same
distance of 10 mm, the coupling effect from the radiator
decreases as the rotation angle increases. As a result,
the larger the rotation angle, the smaller the gain of
the antenna. Therefore, to obtain circular polarization,
the proposed antenna must have appropriate spacing
distance and an appropriate rotation angle. The process
of forming the circular polarization by the proposed
antenna is shown in Fig. 3, which depicts the E-field at
the point 30 mm away from the driven element of the
proposed antenna on the z-axis. The figure confirms that
the direction of the E-field vector is rotated according to
the variation of phase.
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Fig. 3. E-field distributuons at xy plane of 30mm away
from the driven element in the proposed antenna with
regard to the phase variation: (a) 0°, (b) 90°, (c) 180°,
and (d) 270°

I11. RESULTS AND DISCUSSIONS

For the experimental verification, the proposed
rotated stacked antenna was designed and implemented
on a FR-4, the most representative substrate with a
thickness of 0.8 mm, a dielectric constant €, = 4.5, a loss
tangent 6 = 0.02, and a copper thickness of 18 um. The
parameters of the designed antenna are Ly;,-= 43.1 mm,
Lane =46.0mm, L,..r =50.9 mm, w=1.41mm, h=9.8mm,
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Fig. 4. Simulated and measured results of proposed
antenna according to frequency: (a) reflection coefficients,
(b) axial ratio, (c) peak gain, and (d) total efficiency

Figure 4 presents the simulated and measured
results of a fabricated prototype antenna. The simulation
results are using a full-wave electromagnetic tool (CST
Microwave Studio 2018). Figure 4 (a) shows the
simulated and measured reflection coefficients of the
proposed antenna, and the 10 dB impedance bandwidth
is approximately 6.3%. The axial ratio of the proposed
antenna according to frequency is shown in Fig. 4 (b).
The proposed antenna has approximately 8% of the 3 dB
axial ratio bandwidth performance around 2.45 GHz.
The peak gain and total efficiencies of the proposed
antenna at 2.45 GHz are approximately 4.25 dBic and
85% in Figs. 4 (c) and 4 (d), respectively. The simulated
and measured results indicated that the proposed antenna
has a resonance characteristic at 2.45 GHz where it
supported various 10T networks.
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Fig. 5. Simulated and measured radiation patterns of the
proposed antenna at 2.45GHz: (a) xy-plane, (b) yz-plane,
and (c) xy-plane.

Figure 5 describes the simulated and measured
radiation patterns of the proposed antenna at 2.45 GHz in
the xz, yz, and xy planes. The radiation pattern represents
the high directivity of the proposed antenna for z-
direction. Table 1 shows the characteristics between
antennas for 2.45GHz. The proposed antenna can form a
CP with a miniaturized size.

Table 1: Comparison with circular polarization antennas
for 2.4GHz

FRQ |Peak Gain| Electrical Size |AR. BW| Imped.
(GHz)| (dBic) (A0) (%) |BW (%)
[3] | 2.45 7.5 0.65 x0.65 x 0.07 | 6.94 20.6
[7] | 24 6.8 |048x048x0.1| 33 16

[9] | 24 13.1 1.6 X 1.6 X 0.1 60 50

[10]| 2.4 51 |058x058x0.1] 833 | 1667
2] 25 12 [1.67x2.17x0.15] 89 85
[13] | 2.54 7 ]076x0.76 x033] 8.7 | 13.94

Prop.| 2.45 4.3 0.49 x 049 x 0.17| 7.93 6.27

1IV. CONCLUSION

The study proposed a stacked dipole array antenna
with a rotation angle for circular polarization. By
applying a stacked structure with space distances, the
proposed antenna is featured by directivity and circular
polarization. The proposed antenna obtains a peak gain
of 4.25 dBic and a performance of 8% of a 3 dB axial
ratio bandwidth at 2.45 GHz. The proposed antenna covers
the 2.45GHz band supporting the 10T network, and also
has enough gain to be used in the actual communication
environment, making it suitable for various loT
environments.
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Abstract — In this work, a gain enhancement of
conventional microstrip patch antenna has been treated
for WLAN applications. About 1.3dB gain enhancement,
compared to a conventional patch, has been achieved
by loading the microstrip patch with a metamaterial
superstrate composed of 2x3 array of Square Split Ring
Resonator. Simulations have been carried out using
Ansys HFSS. Measured results have been taken to
validate the simulation result.

Index Terms — Metamaterials, microstrip patch antenna.

I. INTRODUCTION

Modern wireless communication system requires
high data rate that depends on the gain of the antenna.
Towards this, metamaterial starts playing a very
important role in the design of an antenna [1]-[3]. In [4],
gain enhancement of microstrip patch antenna (MPA) is
achieved by using graded index dielectric superstrate. In
[5], a planar two-layer superstrate over a printed patch
antenna to enhance the broadside gain is considered.
The problem of enhancing the directivity of an aperture
coupled microstrip patch antenna using one dimensional
electromagnetic bandgap (EBG) structure is treated in
[6]. It was found that the directivity level, beamwidth as
well as reflection coefficient and gain could be enhanced
by using superstrate with two layers. In [7], study of
performance parameters of patch antennas with different
feeding methods is presented and compared with that
of patch antennas without dielectric superstrate. It was
found that the directivity level, beam width as well
as reflection coefficient and VSWR could be further
enhanced by using superstrate with two layers rather
than one, regardless of the feeding method. In [8], a
meandered line-double split ring resonator (DSRR)
superstrate loaded high gain circular patch antenna is
presented for X-band and showed that the superstrate
loading has minor effect on the return loss characteristics
but a major effect on the gain characteristics of
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the circular patch. Scope for miniaturization and
compactness of an antenna leads to the design of novel
antenna structure loaded with metamaterial. Hence, in
the proposed work, a metamaterial superstrate loaded
microstrip patch antenna is designed on low cost, FR4
epoxy substrate for WLAN application.

I1. ANTENNA DESIGN

A. Microstrip patch antenna without superstrate

The microstrip patch antenna with co-axial feeding
is designed using ANSYS HFSS on a less expensive,
widely available FR4 epoxy substrate with relative
permittivity of 4.4 and dielectric loss tangent of 0.02 for
5.5 GHz WLAN application. Figure 1 shows simulated
top view of MPA. The dimension of the patch and the
substrate is 12mm x 16mm x 0.1mm and 26mm x 30mm
x 1.6mm respectively. The equations to calculate the
dimension of patch antenna are given in [9].

T

12mm

30mm

16mm

FR4 epoxy substrate

r
0 20 40 (mm)

Fig. 1. Simulated top view of rectangular MPA.

B. Proposed MPA with metamaterial superstrate
The proposed design consists of metamaterial
superstrate loaded microstrip patch antenna. Figure 2
(a) shows the geometry of square split ring resonator
metamaterial. The dimension of the ring is 6mm x 6mm.
The gap width is 1.5mm. Figure 2 (b) shows the simulated

1054-4887 © ACES

1250



1251

metamaterial superstrate loaded microstrip patch antenna.
The metamaterial superstrate is composed of 2x3 array
of Square Split Ring Resonator on a FR4 epoxy material.
The superstrate dimension is 26mm x 30mm x 1.6mm
and is placed at a height of 5mm from the substrate.
The fabricated metamaterial superstrate loaded MPA
prototype is shown in Fig. 2 (c).

I1l. SIMULATED AND MEASURED
RESULTS

The S-parameters for metamaterial unit cell is
shown in Fig. 3 (a) S11 and S21 parameters crosses at
4.8 GHz and 6.1 GHz. Hence, the unit cell structure
reflects the electromagnetic waves in this band [10]. The
measurements are taken on Vector Network Analyzer
(Rohde and Schwarz, German make ZVK Model No.
1127.8651). The simulated and measured return loss of
microstrip patch antenna with and without superstrate
loading is shown in Fig. 3 (b). The summary of simulation
and tested results is shown in Table 1.

Gmm

OGmm
1.5mm

(@)

(b)
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©

Fig. 2. (a) Metamaterial unit cell, (b) simulated
metamaterial superstrate loaded MPA, and (c) fabricated
metamaterial superstrate loaded MPA.
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Fig. 3. (a) S-parameters for the metamaterial unit cell,
and (b) simulated and measured |S11| responses of the
microstrip patch antenna with and without superstrate
loading.



Table 1: Summary of simulation and tested results

MPA without MPA with
Parameters
Superstrate Superstrate
Simulated |Fabricated| Simulated | Fabricated
Resonant
frequency 5.51 541 5.48 5.25
(in GHz)
Return loss
(in dB) -17.03 -33.77 -14 -20

dB{GainTotal)

. 3. 9295e+850

dB(GainTotal)

5. 24E3e+008 2
. 3. 39@4e+208
1.5326e+000

-3, 2538e-A01
-2.1832e+000
-4, B418e+808
-5. §959e+000
-7, 7566e+E08

2.2217e+060
5. 1396e-801
-1, 1938e+800
-2, 9015 +808
-4, 6393 +008
-6, 3178e+800
-, B245e+808
-9. 7325e+008
- -1, 144Be+E01
-1, 3148e+B81
-1. 4&56e+B01

-1, E5B3e+B01
-1, 8271e+081 (@
-1, 9979+801
-2.1687+801
-2, 3394e+B01

Fig. 4. (a), (b) Simulated 3D gain plot for microstrip
patch antenna without and with superstrate loading.
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Fig. 5. Experimental setup for the estimation of antenna
gain.

From Fig. 4 it is clearly seen from simulation that
the antenna gain is increased by 1.2dB when metamaterial
superstrate is included in the system.

The experimental setup for the gain measurement is
shown in Fig. 5. Two steps were used for the estimation
of antenna gain. In the first step estimation of gain
without metamaterial superstrate is made followed by
estimation of gain with metamaterial superstrate. For
gain calculation equation in [7] is used:

_ Rl _ Ay
G(dB)-lOIog(PtJ G,(dB) - 20 Iog(4ﬂR)(dB). )

RAMEGOWDA, ACHUTHA, PARAMESHA: GAIN ENHANCEMENT OF MICROSTRIP PATCH ANTENNA

Where P, and P, are transmitted and received powers
respectively. G, is the gain of the pyramidal horn antenna

equal to 17dB. R is the distance between transmitting
antenna and antenna under test. The gains obtained from
measurements are 3.7dB and 5dB for patch antenna
without and with metamaterial superstrate loading
respectively. The enhancement in gain is better with less
number of rings on the FR4 epoxy superstrate than that
obtained in [10].

HFSS simulation of variation of axial ratio with
frequency is shown in Fig. 6. At 5.5 GHz, the axial ratio
is 26.8dB and 35dB for MPA with and without superstrate
respectively. This indicates that the antennas are linearly
polarized.
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Fig. 6. Variation of axial ratio with frequency.

V. CONCLUSION

A Square Split Ring Resonator metamaterial
superstrate loaded microstrip patch antenna for gain
enhancement has been presented in this paper for WLAN
applications. A comparison of the characteristics of the
proposed antenna with a conventional patch antenna
shows that the superstrate loading has minor effect on the
return loss characteristics but a major effect on the gain
characteristics of the patch. The superstrate loading has
enhanced the gain by about 1.3dB as compared to a
conventional patch
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Abstract — This paper presents a Dielectric Resonator
based dual frequency band Multiple Input and Multiple
Output (MIMO) antenna for wireless communication.
This antenna is designed for WLAN (5.5-5.8 GHz) and
X-band (8-8.1 GHz) applications. A pair of DRAS is
placed on a FR-4 substrate and is excited through
microstrip feed lines placed on rear side of substrate. A
via-less EBG structure is introduced to suppress the
mutual coupling among DRAs. The measured isolation
among the two antenna ports is 25 dB and 41 dB for 5.6
GHz and 8.05 GHz respectively. The overall dimension
of the antenna is 0.72 X, x 0.52 A, at lower resonant
frequency. Simulated and measured results are in good
agreement, which supports the potential application of
the proposed antenna for high gain WLAN and X-band
applications.

Index Terms — Dielectric Resonator Antenna (DRA),
decoupling structure, Electromagnetic Band Gap (EBG),
Multiple Input Multiple Output (MIMO).

I. INTRODUCTION

MIMO system is the technology of choice in
wireless communication to meet the high data rate and
high diversity gain requirements [1]. Microstrip patch
antennas are extensively reported for MIMO
applications. However, these antennas are prone to high
metallic losses and lesser radiation efficiency, especially
at higher frequencies. Dielectric Resonator Antennas
(DRASs) do not have these disadvantages. They have
several distinct benefits as compared to microstrip patch
antennas, such as high radiation efficiency, higher gain
and low losses [2]. MIMO system performance is
affected by undesired mutual coupling among the
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radiating elements which is developed due to
miniaturization of the antenna design. Different
techniques such as the Defected Ground Structures
(DGSs), Electromagnetic Band Gap (EBG) structures
and Frequency Selective Surfaces (FSSs) [3, 4] are
reported in the literature to enhance isolation between
antenna elements for different MIMO systems. A split
ground plane is another commonly reported solution to
accomplish high isolation in MIM DRAs [5, 6].
Aperture-coupled and probe feedings in hybrid feeding
mechanism can also be used to achieve high isolation [7].
However, the techniques presented in [5, 6, 7] make
fabrication more complex and compromise the design
compactness.

In this work, a compact dual band MIMO DRA is
proposed for WLAN and X-band applications. DRAs are
placed on a 38.8 mm x 28 mm x 1.6 mm FR-4 substrate.
A via-less EBG structure has been used to enhance the
isolation among the DRAs.

The rest of this paper is organized as follows: in
Section Il a discussion of proposed antenna design
configuration is given, DRA resonant frequency and
modal analysis are given in Section Ill, simulated and
measured results are presented in Section 1V, and finally
Section V concludes the paper.

I1. ANTENNA DESIGN
The proposed design geometry is shown in Figs. 1
(a) and 1 (b) along with the dimensions. The proposed
antenna is simulated and optimized in Ansys HFSS®.
The realized MIMO design is shown in Figs. 2 (a) and 2
(b). The dimensions of the substrate are I; = 28 mm x
w1 = 38.8 mm x h,= 1.6 mm, as shown in Fig. 1 (a). The
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cylindrical DRAs are mounted on the top side of FR-4
substrate. These DRAs are made of Alumina with:
dielectric constant, €, 0f 9.8; dielectric loss tangent, tan &
of 0.002; radius, r of 6.35 mm and height, hyof 9 mm.
The spacing between the DRAS is d1 = 8.72 mm. DRAS
are proximity/couple-fed through two microstrip feed
lines etched at the rear side of substrate, each of length
I3 = 22 mm and width wsz = 2.05 mm. Feed lines are
separated by a distance d, = 19 mm.

Fig. 1. MIMO DRA design: (a) front side and (b) back
side.

A common ground plane arrangement is employed
on the front side of substrate in the suggested MIMO
design, as shown in Fig. 1 (a). The ground plane
dimensions are l; = 13.4 mm X w; = 38.8 mm.
Rectangular shaped slits are imprinted in the top edge of
the ground plane to improve impedance matching for the
desired resonant frequencies. These rectangular slits
have dimensions of L= 1.1 mm X w,=2 mm.

A via-less EBG structure is employed in this design
to enhance isolation. This structure is imprinted on the
back side of the substrate as shown in Fig. 1 (b).

The dimensions of each single rectangular block in
via-less EBG structure are Is=1 mm x ws= 0.5 mm. The
spacing ls between adjacent rectangular blocks is 0.25
mm. Furthermore, a pair of three vertical strips is placed
on both sides of the via-less EBG structure. The
dimensions of each strip are l4= 28 mm x w4 = 0.5 mm.
The spacing between adjacent strips is w7= 0.5 mm and
first strip is placed at a distance of ws= 0.75 mm from
the EBG structure.
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Fig. 2. Fabricated MIMO DRA: (a) front side and (b)
back side.

I11. RESONANT FREQUENCY AND MODAL
ANALYSIS OF DRA
The proposed DRA design has two resonant modes,
HEM, 5 and TMy;s. The first resonant mode is HEM 5
and it produces broadside radiation pattern, as shown in
Fig. 3 and it can be theoretically verified with the
following relation [9]:

_ cx6.324 a a\?
FotwEmess) = 7oq rees (0.27 +036=+0.02(5) ) 1)

Where “a” is the radius of DR and “h” is the height of
DR. The above equation is valid for 0 < a/h< 6. The
theoretical calculation of the resonant frequency from
the above equation gives 5.53 GHz.

The second resonant mode is TMoi5 and it offers
end-fire radiation pattern, as shown in Fig. 4 and it can
be theoretically calculated [9] as:

c /3.832+(%)2
fo(tMy,s) = mafeiz 2
The above equation is valid for 0.33 < a/h < 5. The
theoretical calculation of the resonant frequency from
the above equation gives 8.73 GHz.

Fig. 3. First resonant mode HEM ;5 of the DRA: (a) E-
field pattern and (b) H-field pattern.
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Fig. 4. Second resonant mode TMq; of the DRA: (a) E-
field pattern and (b) H-field pattern.



IV. SIMULATED AND MEASURED
RESULTS

A. S-parameters

Measured and simulated S1; and Si» results with and
without decoupling structure are shown in Fig. 5. The Sy1
result shows that the suggested MIMO antenna design is
well matched on 5.6 GHz and 8.05 GHz. The Si» result
shows that more than 20 dB isolation is achieved
between antennas, when the via-less EBG structure is
introduced.

—311 it! i truct —S12 ith decoupling structure
—-- S12 simulated with decoupling structure
311 gl without i i S12 simulated without i t

Mutual Coupling (dB)
ko fo A &
s

Retum loss comparisan (dB) : i}
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Freq[GHz]

(@) (b)

Fig. 5. Simulated and measured S-parameters of MIMO
design: (a) S11 and (b) Sia.

5
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B. Induction current suppression

The surface current density is plotted at 5.6 GHz and
8.05 GHz, as shown in Figs. 6 (a) and 6 (b). The Jsurf
plots show the undesired induced surface currents on
ground plane and the feeding line of antenna, when the
MIMO design is simulated without the decoupling
structure. However, decoupling structure effectively
suppresses the undesired surface currents, resulting in
significant isolation between the antenna ports.
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Fig. 6. Jsurf current distribution plots at: (a) 5.6 GHz and
(b) 8.05 GHz.

C. MIMO performance parameters

The diversity performance of a MIMO system is
judged by its performance parameters. In this regard, the
envelope correlation coefficient (ECC) and total active

HAMEED, MAJEED, SALEEM, SHAFIQUE, REHMAN: DIELECTRIC RESONATOR ANTENNA

reflection coefficient (TARC) have been measured for
the proposed MIMO DRA system. A maximum
threshold of ECC < 0.5, TARC < 0 dB is allowed for an
acceptable MIMO system [8]. The proposed design has
ECC < 0.001 and TARC < -20 dB, in both bands, as
shown in Fig. 7 which assures the optimum performance
of the suggested MIMO antenna. Simulated and
measured radiation patterns for E-planes and H-planes
are shown in Fig. 7 (c). The fabrication and
measurements imperfections cause slight distortion in
radiation patterns. The comparison of the proposed work
with the reviewed literature is given in Table 1.
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0.005. -—ECC simulated 0

—TARC measured
——-TARC simulated

0.004.

0.003
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TARC (dB)
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7 8 5 6
Freq [GHZ] Freq [GHz]
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— Simultaed E-Plane at 5.6 GHz
——— measured E-Plane at 5.6 GHz
—— Simulated E-plane at 8.04 GHz
----- measured E-plane at 8.04 GHz

—— 8imultaed H-Plane at 5.6 GHz
——— measured H-Plane at 5.6 GHz
—-— Simulated H-plane at 8.04 GHz
--- measured H-plane at 8.04 GHz
0

Fig. 7. MIMO performance parameters: (a) ECC, (b)
TARC, and (c) radiation patterns.

Table 1: Comparison of the proposed work with the
reviewed literature

Ref. M;ZT?}'HZ Isolation Sg?ﬁi‘iﬂ
| et gg 50x100x1.56
(2] 53.'14:53.'375%1112 }2 gg 50 x50x1.6
B | Sham, | isap | 4080
[7] | 5.15-535GHz | 35dB 60x60x1

;Ei Sgs,};s_ig(?iz i? gg 28x38x1.6

V. CONCLUSION

A dual-port dual-band MIMO DRA for high gain
WLAN and X-band application is proposed. The design
is fabricated on a 1.6 mm thick FR-4 substrate. A via-
less EBG structure is employed to achieve effective
isolation between antenna elements. The measured
results demonstrate the isolation better than 20 dB in
both bands. MIMO performance criteria such as ECC,
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TARC and radiation patterns also exhibit excellent
performance. The proposed design exhibits excellent
impedance match and isolation, without compromising
the compactness. The total antenna is 0.72 Ao % 0.52 Ao
in size at the lower frequency band.
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Abstract — Miniaturized four port multiple-input
multiple-output (MIMO) antenna with electronically
reconfigurable WiMAX band-stop capability is proposed
for ultra-wideband (UWB) application. The elements of
MIMO antenna system exhibit good impedance match
(VSWR < 2), while offering high ports isolation (Si2 <
-20 dB) over the whole ultra-wideband spectrum.
Moreover, reconfigurable band-notch capability at
WiIMAX (3.2-3.8 GHz) frequency band is achieved by
switching the PIN diode to ‘ON’ state. The antenna is
fabricated and measured as well, and the results suggest
that the proposed antenna design with switchable
WIMAX band-notch characteristics is a suitable
candidate for UWB-MIMO applications.

Index Terms — Band-stop, multiple-input multiple-output
(MIMO), reconfigurable, WiMAX.

I. INTRODUCTION

Wireless communication technologies have gained
much attention over last few decades. The prime focus
of recent wireless technology is to use minimum
resources, achieve high data rate and cause minimum
interference to other existing wireless communication
standards [1]. To achieve higher data rates and higher
channel capacities, MIMO technology is integrated in
UWB systems. However, a significant challenge in
UWB-MIMO communication is the miniaturization of
system. The unwanted mutual coupling is caused by
miniaturization and hence the effectiveness of MIMO is
compromised. Therefore, in order to provide decoupling
between antenna elements, an efficient isolating/decoupling
structure is desired in MIMO systems. In existing
literature, several MIMO antenna designs with decoupling
structures have been reported to attain high isolation
between antenna elements [3-4]. To achieve interference
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mitigation in UWB communication, several designs with
band-notched characteristics have been reported in the
existing literature. In [1], inverted stubs added to radiator
for interference mitigation at 5.8 GHz is reported. A
circularly slotted notching structure is proposed in [2].
However, these proposed antennas have permanent
band-notching. For the sake of interference free
communication, utilization of whole UWB spectrum
may not be possible even if there is no conflicting narrow
band system working in the close proximity. Therefore,
for the improvement of the UWB system performance,
antennas with reconfigurable/switchable band notch
performances are desirable [7-8]. PIN diodes are placed
on stub at ground plane in [7] to notch WLAN frequency
band, while in [8] PIN diodes are placed on the radiating
patch in order to achieve reconfigurable band notch
characteristics.

A miniaturized four port MIMO antenna exhibiting
electronically reconfigurable WiMAX (3.2 - 3.8 GHz)
band notch capability is proposed in this research for
ultra-wideband MIMO applications. Isolation of more
than 20 dB among all radiating elements over entire
ultra-wideband band is achieved using a decoupling
structure. For design and optimization of the antenna
geometry, full wave electromagnetic simulations using
Finite Element Method (FEM) have been carried out in
Ansys High Frequency Structural Simulator (HFSS)™.

1. DESIGN CONFIGURATION OF
ANTENNA
The geometric structure of proposed antenna is
presented in Fig. 1. Antenna design is simulated and
fabricated on a 0.8 mm thick FR4 substrate. The upper
layer contains four radiating elements whereas the
defected ground plane and decoupling structure is placed
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on the back side of substrate. The decoupling structure
as shown in Fig. 1 (b) contains defected rectangular strip
line. It is placed between ground planes to isolate the
antenna elements placed in diagonal and side-by-side
arrangement. The overall decoupling of more than 20 dB
between MIMO antenna elements is achieved.

mCopper © FR4 Substrate m PIN Diodes_
F L

(b)

Fig. 1. Antenna structure: (a) front view and (b) back
view. L=26, W=30, Pw=3.9, R3=0.6, F1=4.7, Ls=1.2,
R»=0.8, Pp=2.5, Ws=3.5, Da=14.4, Ls=2.8, G =3.2,
L1:0.65, P1:1.2, WG1:3.2, Fs:7.2, Lc:l.5, G|_1:1,
L2:0.7, P2:2.7, WG2:1.6, SL:3.75, W1:0.5, G|_2:1.8,
L3:3.8, P3:0.6, WG3:1, FL:0.62, W2:0.7, L4:0.7,
Pwi=2.2, Wes=1, Lc=18.5, R1=1.5 (parameters in mm).

The effective length of notching structure is required
to filter out the desired frequency band. Notching at desired
frequency bands can be obtained using equation (1):

c
fr 4Lrotal\/Eeff . @)

Where, Ltotal = 2S. + 2nR» and ‘C’ is the constant of
electromagnetic wave velocity. The calculated value of
effective dielectric is € ~ 3.1. By putting values in
equation, we get f. ~ 3.5 GHz. An Q-shaped slot is
created in main radiator of each antenna element. It
provides band notch characteristics at WiMAX 3.5 GHz.
The current around the edges of slots reverses its
direction causing anti-resonance at the desired notched
frequency band. To show this effect, current density
(J-surf) plots at 3.5 GHz with diodes switching
(ON/OFF) is shown in Fig. 4. Moreover, to achieve the
reconfigurable band notch functionality in UWB-MIMO
antenna, PIN diode is embedded in the slot of each
radiator, as shown in Fig. 1 (a). The purpose of PIN
diode is to switch the UWB-MIMO antenna between
ultra-wideband operation and WiMAX band notch
functionality. The PIN diode, D1, as shown in Fig. 1 (a),
controls Antenna 1 band notching. Similarly, D, Dz and
D, diodes control the band notching functionality of
Antennas 2, 3 and 4 respectively. The reconfigurable
characteristics of proposed UWB-MIMO antenna have
two operations as below:

Case I: When diode is reverse biased or is in its
‘OFF State’. Antenna omits the WiMAX band notching
behavior and UWB-MIMO antenna provides matching
without any band notch.

ACES JOURNAL, Vol. 34, No. 8, August 2019

Case I1: When diode is forward biased or PIN diode
isinits ‘ON State’. Antenna eliminates the WiMAX band
from the UWB band and operates as a band notch antenna.

The PIN diode is first modeled in HFSS™ using
lumped elements according to the equivalent model for
Case | and Case I, as shown in Fig. 2. SMP 1320-079
LF PIN diodes have been used for switching. The diode
has low reverse bias (zero volt) capacitance of 0.3 pF at
above 10 MHz frequencies and low resistance of 0.9
ohms at 10 mA during forward bias operation. The whole
biasing network has been fed through an in-line DC
block module to prevent any damage to the network
analyzer. The DC block is shown in Fig. 2 (b).

DC Block
Capacitors]

PIN Diode:
SMP 1320079 LF

RF Choke|
Inductor:

Reverse L=07nH

Bias —)

Forward L=0.7nH

Bias

Cy= 0.3 pF, Ri=1K0
Ry=090Q

(@) (b) (©

Fig. 2. Equivalent circuit model of PIN diode: (a) Case
I, (b) biasing network, and (c) Case II.

I1l. RESULTS AND DISCUSSIONS

Antenna design is fabricated on FR4 laminate, as
shown in Figs. 3 (a) and (b). Agilent N5242A PNA-X
network analyzer is used for the measurements. As the
antenna elements are identical, impedance matching is
similar for each element. The results are presented in Fig.
5. Result shows that four antenna elements are well-
matched over entire ultra-wideband spectrum for Case |
(diodes switched ‘OFF’). However, for Case II (diodes-
switched ‘ON’) proposed UWB-MIMO antenna provides
WIMAX (3.2-3.8 GHz) band notching. The RF choke is
added to all elements.

To analyze the effect of switching on proposed
antenna design, a characteristic mode analysis (CMA) is
done in CST Microwave Studio [9]. In Case Il, the
variation of Mode 1 is clearly observed in Fig. 6. The
curve of the characteristic angle associated to this mode
presents a sharp slope, which verifies a sharp band notch
behavior in this mode. Moreover, it may be noted that
the resonant frequency lies at the center of the rejected
WiMAX band, as desired.

(b)

Fig. 3. Fabricated design: (a) front view and (b) back view.



Fig. 4. Surface current density J-surf at 3.5 GHz: (a) Case
I and (b) Case II.
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As in Fig. 1, it can be seen that Antenna 1-2 and
3-4 are placed side-by-side, Antenna 1-4 and 2-3 are
diagonal and Antenna 1-3 and 2-4 are placed across each
other. The effect of decoupling structure on isolation of
antenna elements for both Case I and 11, can be observed
clearly in Fig. 7. Side-by-side isolation is represented by
S12/ Sza— parameter, diagonal isolation is represented by
Si14 ] Sp3 - parameter, while isolation between antenna
elements placed across each other is represented by
Si13/ Sz24 — parameter. The overall isolation with isolating
structure is better than 20 dB. The radiation patterns in E
and H-plane of proposed antenna (Case | and Case 1) are
observed at 3.5 GHz and 5 GHz and are plotted in Fig.
8. The proposed antenna gives good gain results over
whole UWB band except for the notched WiMAX band
as depicted in Fig. 9.
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Fig. 7. Mutual Coupling with and without decoupling
structure: (a) side-by-side, (b) diagonal, and (c) across.
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Correlation Coefficient (ECC) are important diversity
parameters to analyze the performance of the proposed
MIMO antenna. ECC can be calculated for different
antenna topologies (side-by-side, diagonal and across)
using equation (2):

_ SieSy + Syl @

(1= 18al? + 1S:12) (1 = 183512 + 15,17)

Usually, an ECC value below -3 dB, TARC < 0 dB and
CCL< 0.5 bits/sec/Hz in the operating band, is desired.
As shown in Figs. 10 (a - f), the results are well within
the allowable limits for both Cases (I and I1). In Case 1l
the CCL value at WiMAX (3.2-3.8 GHz) band is above
0.5 bits/sec/Hz, because of the anti-resonant effect of
band notching structure.

Pe
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The proposed MIMO antenna elements are compact
as compared to various antennas reported in literature
previously [5-7]. The comparison of proposed antenna
characteristics with these MIMO antenna designs is
listed in Table 1.

V. CONCLUSION

A compact our port multiple-input multiple-output
(MIMO) antenna with electronically reconfigurable
WiMAX (3.5 GHz) band notch characteristics is proposed
for ultra-wideband applications. The design exhibits good
impedance match over entire UWB band. Enhanced
isolation is achieved by using simple decoupling structure.
Diversity parameters are also within the allowed limits.
More importantly simulated as well as measured results
are in good agreement, suggesting that the proposed
MIMO antenna design is suitable candidate for
reconfigurable ultra-wideband application.
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Abstract — In this paper, we proposed a Modified
Adaptive Cross Approximation (MACA) algorithm
method to model an eddy current probe used as position
sensor in Nondestructive Evaluation (NDE). Eddy current
based position sensor can be used when optical aids
cannot to guide the position of the coil. We use surface
integral equation technique with selected Stratton-Chu
formulation and apply MACA algorithm to accelerate
the calculation of impedance change for the position
sensor. Good performance of proposed method is
demonstrated with numerical examples.

Index Terms — Eddy current nondestructive evaluation,
modified adaptive cross approximation, position sensor.

I. INTRODUCTION

Eddy current technique is a high-speed
nondestructive method to detect corrosion, cracks or
flaws in metallic tubes. Thousands of tubes are used in
heat exchangers and steam generators to increase the
amount of heat transferred. Eddy current technique is
especially important in nuclear power plants where
reused, contaminated water must be prevented from
mixing with fresh water that will be returned to the
environment [1]. To minimize the risk of leakage from
the tubes becomes the aim of eddy current technique. For
the heat exchangers, in the presence of coolant, the coil
position cannot be guided by optical aid, while eddy
current technique can be used to sense it [2].

Finite element method has been applied for the
modeling of eddy current nondestructive evaluation
(NDE) problems for the tubes [3-4], but the drawback is
that it needs to discretize the whole solution domain
which results in consuming too much computational
resource. Adaptive cross approximation (ACA) was
proposed by Bebendorf [5], with the help of tree
structure, it replaces the well separated far-block
interactions by low rank approximation and compute the
elements from diagonal and near block interactions with
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full matrix. Purely algebraic and kernel independent are
the key features for ACA algorithm. ACA algorithm uses
only part of the elements from the original matrix and
makes every skeletons a kind of cross over all the other
pivot rows and columns. In this paper, we proposed the
modified ACA (MACA) to accelerate boundary element
method (BEM) for 3D eddy current modeling of the
tubes. MACA is based on the rule that when the diagonal
interactions are dominant compared with the far block
interactions, these far block interactions can be neglected
to decrease the memory requirement and CPU time.

I1. MACA BASED BEM

The details of ACA algorithm are shown in [5-7],
the details of the selected Stratton-Chu formulation based
BEM are shown in [8] and ACA based BEM is shown in
[9]. The discretized form of BEM matrix has seven
nonzero matrices with four kinds of dimensions (number
of edges by number of edges, number of patches by
number of edges, number of edges by humber of patches
and number of patches by number of patches), as:

0.5T-K} 0 R}
L/l 05THK: 0 |,
i 1 K5 ikZL% 0.5D-R;

where k is the wavenumber, u is permeability, subscript
i=12 stand for medium 1 (air) or medium 2 (metal),
the superscript x and n denote the cross or dot products
with normal unit vector fi, and give the tangential and
normal components, respectively. R, L, K, T, D are
shown in [8], D is a diagonal matrix, T is a diagonal-
dominant sparse matrix, L is the electric (magnetic) field
due to the electric (magnetic) current directly, K is the
electric (magnetic) field due to the magnetic (electric)
current, and R is the electric (magnetic) field due to the
electric (magnetic) charge. The dimensions of each
matrix are due to number of basis and testing functions.

Octal tree structure is used to divide the object into

1054-4887 © ACES
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blocks which will leads to diagonal, near and far block
interactions. For the diagonal and near block interactions,
full matrices will be saved, while for the far block
interactions, MACA is applied to approximate it which
leads to the reduction of the memory requirement.

The basic idea for MACA is that due to the nature
of Green’s function: localized static field in medium 1
and exponential decay in medium 2, the bigger distance
between two far blocks, the smaller interaction between
them. In the impedance matrix, when the diagonal block
interaction is much larger than the far block interactions,
we can neglect these far block interactions which has
almost no effects to the accuracy but with a reduction to
the total memory requirement. We define the threshold
value by:

A = |Zmn|/|zll|’ (2)
where Z_ is the interaction between far block pair box
mand boxn, Z,; stands for the first box’s self-interaction.

By controlling the threshold value, we can decide how to
ignore the small far block interactions.

We use a curve strip as an example to show the way
MACA works. In Fig. 1, four periods of curve strips are
shown. The radius of one period is 1.5 mm, height is
4 mm. We can regard one period as one honempty box
with 32 edges and patches. Expand these four periods
vertically to get 60 periods. Totally there are 60 nonempty
boxes with 1920 edges and patches.

D

I8 ﬁ/

Fig. 1. Four periods of curve strip. One period of curve
strip is circled with dash lines.

Then we compare box 1°s self-interaction with the
interaction between box 1 and other far blocks. Since we
have seven nonempty matrices, we need to apply MACA
to test all of them. We define other two relative differences
as:

A, = |Azmn|/|zmn|’ ®3)

As = |Azmn|/|zll| = AlAZ' (4)
where |AZ, | is the difference between original matrix

and approximated matrix with ACA algorithm. For all
the tests, we set the threshold value A, =10 which

means that we can neglect the far block interactions

ACES JOURNAL, Vol. 34, No. 8, August 2019

when they are 10* times smaller than diagonal ones.
Let’s take the submatrix s, /s K3 which is the

normal component of the magnetic field due to the
electric current in region 2 with dimension of number of
patches by number of edges as an example. Three kinds
of relative differences for the interaction between box 1
and its far block interactions are plotted in Fig. 2.

102,
- “A,
g 10 < « < ¥ pagr=10?
4 40,7 =107
4 10° -+ Agr=107
+ . 3
AT =10
-8 L b + +
10
2 4 6 8 10

far boxes of box 1

Fig. 2. Relative differences between box 1 and its far block
interactions. The relative differences are defined in (2)-(4)
for the submatrix sz, / 1, K} which is the normal component

of the magnetic field due to the electric current in region 2.

The box 1’s far blocks start from box 3. We can see
from Fig. 2 that with the increase in accuracy of ACA,
more accurate A,, A, are observed. When ACA tolerance

7 is 107, from A,, |AZ,, | is 10° times smaller than
|Z,,| which means the difference between original

interaction and the approximated one by ACA is very
small compared to the diagonal block interaction. As
the distance increases, A, decreases due to the nature of
Green’s function. After the interaction between box 1
and box 7, A, will be smaller than 10~ which stands for
that the far block interaction is small enough compared

to diagonal one. We can neglect the box 1’s far block
interactions from box 8 to box 60.

1072+
“ < +A1
<) 4 ;\‘\j -2
<1 1077 4 A2:7=10 3
4 aA,r=10"
4 108 A ir=10"
* . +Ar=10
-8 ]
10 *
2 4 6 8

far boxes of box 1

Fig. 3. Relative differences between box 1 and its far block
interactions. The relative differences are defined in (2)-(4)
for the submatrix 0.5D — R} which is the normal component

of the magnetic field due to the magnetic charge in region
2.
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Figure 3 shows the relative differences for the
submatrix 0.5D— R} which is the normal component of
the magnetic field due to the magnetic charge in region
2 with the dimension of number of patches to number of
patches. From Fig. 3, conclusions can be drew that with

the threshold value 10™, we can neglect the box 1’s far
block interactions from box 6 to box 60.

1072
s < +A1
410 \\4\ Ayr=107
<]'N aAr=107
4 10° . Ay7=107
+ +  |ragr=10°
.
10 Sé 4 6 8

far boxes of box 1

Fig. 4. Relative differences between box 1 and its far
block interactions. The relative differences are defined
in (2)-(4) for the submatrix 0.5T + K which is the
tangential component of the electric field due to the
magnetic current in region 2.

Figure 4 shows the relative differences for the
submatrix 0.5T + K, which is the tangential component
of the electric field due to the magnetic current in region
2 with the dimension of number of edges to number of
edges. From Fig. 4, with the threshold value 10, we
can neglect the box 1°s far block interactions from box 6
to box 60.

We do the same test to other submatrices. Figure 5
shows A, for all the seven submatrices as a summary. It
is observed that in the semi-logarithm plot, curves for
five submatrices associated with medium 2 are straight
lines because the Green function decreases exponentially
in the metal. The curves for two submatrices for medium

1 decrease as 1/r? which is due to the static behavior for
the Green function in the air region. The three submatrices
0.5T-K;], 0.5T+K;},0.5D - R} are diagonal dominant
and give much smaller A, than that of other submatrices
for non-diagonal block interactions.

Also, for all the seven submatrices, with the
threshold value 10, we can neglect a lot of far block
interactions which are much smaller than the diagonal
ones. For the submatrix 0.5T-K;, —iu, /L5, Ry,
we can neglect the box 1’s far block interactions from

box 8, box 14, box 16 to box 60, separately. Above all,
we can save a lot of memory while keeping almost same

accuracy because the interactions neglected are trivial.

X
100 - .5T—K1
<-—iu2/p,1 LZ
x
9.5T+K2
X
R1
n
gl Ky

221N
Elksz

n
.5D-R2

5 10 15
far boxes of box 1

Fig. 5. Relative difference between box 1’s self interaction
and its far block interactions for seven nonempty
submatrices.

I1l. PERFORMANCE OF MACA

This section shows the performance of MACA when
it applies to the steam generator tubes in power plants.
The eddy current testing was applied to evaluate the
condition of metallic parts in a sodium cooled fast
reactor. Coil has the same axis as that of the tube. The
coil and tube’s parameters are in [10]. All the calculations
are done in double precision.

The frequency is 50 kHz, the truncation height is 20
times of skin depth. The impedance change calculated
agrees well with that in [10] as shown in Table 1.

Table of impedance change (mQ ) due to tube

Tao & Bowler [10] 8.873+ 21.95i
BEM 8.862 + 21.96i

ACA 8.862 + 21.96i
MACA 8.867 + 21.96i

From Table 1, a good accuracy can be observed in
both the real and imaginary parts of impedance changes
calculated by semi-analytical method, BEM, ACA and
MACA. MACA gets a very good agreement with ACA,
semi-analytical method and BEM that the relative
differences for real and imaginary parts of impedance
changes are smaller than 1%.

For the complexity, the frequency is 30 kHz, with
the fixed height of the tube, increase the number of
unknowns by decreasing the mesh sizes. The number of
unknowns is approximately from 10,000 to 50,000. ACA

tolerance is =10 and threshold value A, for MACA

is 107 which results in the relative difference for the
impedance changes between BEM and ACA or MACA
smaller than 1%. The complexity for memory requirement
and CPU time are shown in Figs. 6 (a) and (b).
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Fig. 6. Performance of ACA and MACA based BEM
method for the coil inside the tube. With fixed geometry,
different mesh sizes, and number of unknowns from
10,000 to 50,000 at 30 kHz. (a) Memory requirement and
(b) CPU time.

From Fig. 6, the complexity of ACA is O(N log N)

for both memory requirement and CPU time per iteration
which agrees well with [6]. MACA has more memory
and CPU time saving comparing with that of ACA.
MACA is very suitable for the tube shape problems
because it can neglect the smaller far block interactions
which can efficiently deal with the required large
truncated area of BEM.

1V. CONCLUSION
The MACA based BEM has proposed to accelerate
the modeling of tubes for eddy current NDE problems.
With the help of MACA, more memory saving are
observed comparing with the ACA algorithm.
Performance are shown to validate our proposed method.
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