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Metasurface-based Antennas
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! Electrical and Computer Engineering Department, Faculty of Engineering
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Abstract — Metasurface-based antennas have received
considerable recent attention in recent years because
they are not only useful for designing new antennas, but
for improving the performance of legacy designs as well.
However, systematically designing these antennas is
challenging because the antennas are usually multiscale
in nature and they typically require a long time when
simulated by using commercial solvers. In this work,
we present a new approach for analyzing antennas
that utilize Metasurfaces (MTSs) and Metamaterial
(MTMs). The proposed method departs from the widely
used technique based on an anisotropic impedance
representation of the surface and relies on an equivalent
medium approach instead. The principal advantage
of the proposed approach is that such an equivalent
medium representation can be conveniently inserted
directly in commercial EM solvers, circumventing the
need to develop special numerical EM simulation codes
to handle metasurfaces. Several illustrative examples
are presented in the paper to demonstrate the efficacy of
the present approach when simulating MTS- and MTM-
based antennas.

Index Terms — Equivalent medium, metamaterials,
metasurfaces, multiscale problems, numerical simulation.

I. INTRODUCTION
Antennas based on Metasurface (MTS) and
Metamaterial (MTM) antennas have received

considerable recent attention in recent years, since they
are not only useful for designing new antennas, but for
improving the performance of legacy designs as well.
This is often true for antennas designed for satellite
communications, as well as 5G applications, where
innovative designs are called for to replace the legacy
designs.

Some recent works based on MTS-based design
include Minatti [1], in which an MTS antenna was
described for the enhancement of bandwidth and gain.

Submitted On: October 16, 2020
Accepted On: March 1, 2021

Figure 1 shows some novel MTS antenna designs
proposed by Maci in [2] for a variety of applications. A
different strategy for designing high-gain antennas has
been presented in [3]. It utilizes a lens-like superstrate to
achieve a large gain-bandwidth product.

0000
200000

838

Fig. 1. Examples of metasurface-based antennas [2].

Lens antennas including flat lenses [4], Luneburg
lenses [5], and others mentioned in [3], are typically
fabricated by using artificially synthesized dielectrics
that are also multiscale in nature; hence, in common
with the MTS- and MTM-based antennas, they too are
computer-intensive to simulate. Recently, some interesting
methods for analyzing these metasurfaces have been
reported in the literature to reduce the computational
cost. Caminita in [6] have proposed a fast method for
analyzing MTS antennas using the Method of Moments.
In [7], Xiao has described a method utilizing surface
impedance and equivalent circuit models for modulated
metasurface antennas. Additionally, a literature search
reveals a number of other papers which deal with the
topic of MTS modeling. These include: Method of
Moments using orthogonal entire domain basis Functions
in [8], generalized sheet transition conditions (GSTCs)
in [9], integral equation formulations based on impedance
boundary condition in [10], Fourier-Bessel basis functions

https://doi.org/10.47037/2020.ACES.].360401
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in [11], dyadic Green’s functions in[12] and Gaussian
Ring basis functions in [13]. Additionally, the authors in
[14] have used a combination method to characterize
the metasurface, which utilizes the generalized sheet
transition conditions (GSTCs), combined with the bi-
anisotropic surface susceptibility functions.

In this work, we present a novel approach, which
is altogether different in concept than the methods
mentioned above. Our goal is to develop a general-
purpose numerical modeling approach, for different
types of multiscale antennas containing MTS and
MTMs, which achieves numerical efficiency without
sacrificing the accuracy. The new method we propose
is referred to herein as the Equivalent Medium (ED)
approach, which can be conveniently integrated with
existing commercial software modules, rather than
having the user to develop a new code for handling the
simulation problems at hand---an important feature
which is not readily available in other approaches,
mentioned above. Furthermore, the proposed paradigm
is useful for both electric and magnetic type elements,
e.g., dipoles or loops, with little or no modification,
as long as the operating frequencies are below the
resonance range, which is indeed the case for most
practical MTS applications, to circumvent the problem
with lossy and highly dispersive nature of the MTM
and MTS when operating near or above resonance. We
should point out however, that the method itself works
even after we go past the resonance range, though we
strongly recommend that the metasurface-based antennas
be used below the resonance range to avoid issues with
dispersion and losses.

In general, the equivalent medium is comprised of
both ¢ and p that are both tensors, and they can be
extracted by using inversion algorithms available in the
literature [15]-[17]. However, in this work we choose an
e-only representation, which simplifies the numerical
computation significantly, without compromising the
accuracy of the results, as we will demonstrate below.
The epsilon-only representation is referred to herein as
the Equivalent Dielectric approach, which is detailed
below in the next section.

The paper is organized as follows. Section I,
describes the proposed approach which is applicable to
a wide variety of metasurfaces; Section 11l demonstrates
the accuracy and efficacy of the proposed method,
which has previously been described in [18],[19], by
presenting several examples and a comparison in terms
of performance, simulation time and required memory
for these examples. Finally, some conclusions are
presented in Section IV.

1. PRINCIPLE OF THE EQUIVALENT
DIELECTRIC APPROACH
In this section we present the basic principles of
the Equivalent dielectric (ED) approach for modeling

ACES JOURNAL, Vol. 36, No. 4, April 2021

antennas with metasurfaces or metamaterials that are
inherently multiscale in nature. Our core strategy for
handling the problem of simulating structures containing
metasurfaces or metamaterials is to replace them with
an “equivalent dielectric” material slab, to be inserted
later into a legacy EM simulation program, together
with the antenna structure we are modeling. This strategy
enables us to circumvent the need to use a fine mesh to
model the multiscale geometry, which in turn requires a
large number of unknowns and, hence, is both memory-
and time-consuming. The principle of our proposed
approach is summarized in the following.

4 —
B i 11
(@) (b)

Fig. 2. () Original unit cell of MTS with periodic
boundary conditions; (b) equivalent dielectric slab.

Our first step is to determine the equivalent epsilon
parameters for the original metamaterial slab. We do
this by placing the unit cell of the metamaterial slab in a
commercial EM simulation program and imposing the
periodic boundary conditions, as shown in Fig. 2 (a).
Next, we match the phase of S;; of the equivalent
dielectric slab (see Fig. 2 (b)) is the same as with that
of the original MTS medium shown in Fig. 2 (a). The
thickness of the equivalent slab is typically chosen to be
the same as that of the original MTM or MTS. It is
worthwhile to point out that we only use an equivalent
dielectric and not a combination of equivalent € and [,
as is the usual practice. We will demonstrate below, by
using several examples, that we are able to get accurate
results using this approach which assumes that [ is
equal to o or an appropriate constant value that we
may choose. Note also that the equivalent epsilon that
we derive by using the procedure described above is
a function of frequency and, hence, the medium is
dispersive, as the physics of the problem dictates that it
would be. However, this does not create any problem
when we simulate the antenna plus metasurface
combination using a commercial solver, which can
handle a dispersive medium in a routine manner.

In principle, for the general case, we need a 3*3
matrix to characterize the epsilon tensor of the ED in
Fig. 2 (b), and it can be described by:

Eu €, &,
& T Ex gw gw ) (l)
& & &



where X,y and z are the three directions shown in Fig. 2.

However, in our experience it is sufficient to use
either a scalar epsilon or a uniaxial one for most of the
MTSs we deal with in practice. Much of the discussion
presented below is limited only to those cases and it
excludes the case of full tensor representation of the
equivalent dielectric. The exception is the case of a
chiral medium which is briefly described below by
using one example in Section I11.

For an isotropic material, the e-tensor is the same
in all directions, i.e., € =&« =gyy~=€z,. For the uniaxial
case, the material is characterized by a diagonal matrix,
whose diagonal elements are no longer the same:

g 00
=0 ¢, 0], )
0 0 ¢,

Finally, for MTSs that provide TE/TM and TM/TE
mode conversion, we need to add off-diagonal terms in
the e-tensor to characterize them.

Figure 3 shows a metasurface comprising of square
patches printed on a dielectric substrate. The geometry
is Xx-y symmetric, and its equivalent epsilon is identical
in both x- and y-directions. The extracted exx and &y --
they are identical for this geometry -- of the ED,
derived by matching the phase of Si; of the unit cell of
the MTS, is shown in Fig. 4 below. The phase match
itself is shown in Fig. 5, which also serves to validate
the equivalent dielectric concept for this example.

Fig. 3. Metasurface consisting of square-shaped patches.

—— Epsilon_Equivient

4.00

3.90 -
3.85

3.80 -

Epsilon_Equivient

3.75 4

3.70 4

T T r T T T \
2 4 8 8 10 12 14 16 18
Frequency (GHz)

Fig. 4. Equivalent epsilon as a function of frequency for
the MTS in Fig. 3.
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Fig. 5. Phase of Sy, of the MTS in Fig. 3 and that of the
equivalent dielectric.

A. Uniaxial metasurface

Figure 6 shows the example of a uniaxial
metasurface, whose unit cell consists of two split ring
patches printed on a dielectric substrate. Figure 6
highlights the extracted permittivity; e for the TM
mode and &,y for the TE mode. For this example, it is
evident from Fig. 7 that there are frequency ranges in
which the permittivities are negative.

Fig. 6. Metasurface consisting of double split-rings.

300 —— Epsilon_xx
——Epsilon_yy

200 o

100 o

Epsilon_Equivalent

-100

-200

Frequency (GHz)

Fig. 7. Permittivities as functions of frequency for a
double split-ring type of artificial medium.

Figures 8 and 9 show that both the magnitude and
phase behaviors of the S-parameters of the equivalent
dielectric and the original metamaterial surface agree
well with each other, for both the TM and TE mode
incidences. Furthermore, it is evident that the frequency
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range exceeds well above the resonances of the split
rings. Nonetheless, the agreement between the frequency
response of the original metasurface and the equivalent
dielectric representation of the same is maintained over
the entire frequency range investigated, which goes
well above the resonant frequencies for both e« and yy.
This, in turn, indicates that the proposed approach is not
limited to frequencies below resonance, at least for this
type of MTS.

—— TM_double split ring
— — TM_Equiv.Dielectric
] —— TE_double split ring
100 4 — - - TE_Equiv.Dielectric

521 Differential phase()

Frequency (GHz)

Fig. 8. Differential phase variations of the double split-
ring and the Equivalent dielectric---TM and TE modes.

—— S811_TM_double split ring
= = S21_TM_double split ring
= - - 811_TM_Equivalent Dielectric
— - =S21_TM_Equivalent Dielectric

S parameters(dB)

Frequency (GHz)

@
—— S11_TE_double split ring
104 — — S21_TE_double split ring
- - S11_TE_Equivalent Dielectric
— - =521_TE_Equivalent Dielectric

S parameters(dB)

Frequency (GHz)

(b)

Fig. 9. Simulated S-parameter of the double split-ring
and its equivalent dielectric representation: (a) TM mode
and (b) TE mode.

B. Equivalent dielctric representation of Chiral
metasurfaces

For the final example presented in this work, we
consider a chiral type of dielectric MTS, which has

ACES JOURNAL, Vol. 36, No. 4, April 2021

been discussed in [19]. The authors in [19] have
proposed a new design of an all- dielectric chiral
metasurface based on elliptic dielectric resonators,
which realizes circular dichroism proprieties over the
frequency band of 10-20GHz.

For this type of MTS, neither the scalar nor the
uniaxial representation of the epsilon tensor is adequate,
and we must include off-diagonal terms in the epsilon
tensor to accurately represent the TE/TM and TM/TE
conversion properties of the surface. Figure 10 shows
the layout of the chiral unit cell of the MTS. Figures 11
(a) and (b) present the extracted equivalent permittivity
of the tensor representation. The &x and e,y extracted
parameters characterize the TM and TE modes,
respectively, while the &y and &y parameters are
associated with the TM/TE and TE/TM mode
conversions, respectively.

<3

Fig. 10. Dielectric Chiral metasurface [19].

12 4 Epsilan_xx
= Epsilon_yy
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- - T - T - T '
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Fig. 11. Permittivities as functions of frequency for the
dielectric Chiral medium shown in Fig. 10: (a) & and
&yy; (b) &xy and gyx.



Figure 12 shows that the results for the differential
phases of the TM and TE modes exhibit good agreement
between the original and equivalent dielectric media. In
addition, Fig. 13 demonstrates that the magnitude plots
also agree with each other quite well over the entire
frequency range investigated.

I11. APPLICATIONS: CASE EXAMPLES
In this section we present several case examples of
antennas with metasurfaces and metamaterial mediums,
with a view to demonstrating the efficiency and
accuracy of the proposed ED technique for modeling
the metasurface type of multiscale problems.

A. Metasurfaces based antenna

For the first example, we consider a microstrip
patch antenna with an MTS superstrate, as shown in
Fig. 14. The unit cell of the MTS is a metallic cross
printed on a dielectric substrate. Comparisons between
the S-parameters and gain values of the original and
equivalent configurations are shown in Figs. 15 and 16,
respectively. We note that the two results are in good
agreement over the entire frequency range of 1 to 5
GHz.

Table 1 compares the times needed to simulate the
original design and its equivalent counterpart and shows
that a 66% improvement is achieved.

Substrate

(@)

Radiating patch
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b ——— TM_Dielectric Chiral
= = TM_Equivalent Dielectric
120 —— TE_Dielectric Chiral

— - = TE_Equivalent Dielectric

S21 Differential phase(”)
g

'cFrequancy (GHz) b

Fig. 12. Differential phase variations of Sy; of the unit
cell in Fig. 10 and that of the ED, for the TM and TE
modes.

—— TE/TM-TM/TE_dielectric chiral
= = TE/TM-TM/TE_Equivalent dielectric

521 magnitude(dB)
i
L

T T T T T v
15.0 155 16.0 166 17.0 176 180
Frequency (GHz)

Fig. 13. Simulated magnitudes of the unit cell in Fig. 10
and the ED for TE/TM and TM/TE modes.

(b)

Fig. 14. Patch antenna with different superstrate: (a) metasurface and (b) equivalent dielectric.
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S11(dB)

Antenna+metasurface
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— — Antenna+Equivalent Dielectric

Frequency (GHz)

Fig.15. Simulated S parameters of the patch antenna with different superstrate.

Gain(dB)

—— Antenna+metasurface_phi=0°
— — Antenna+Equivient Dielectric_phi=0°

Theta/Degree

@

Gain(dB)

Antenna+metasurface_phi=90°

— = Antenna+Equivalent dielectric_phi=90"|

-150 -100 -50

Theta/Degree

(b)

Fig. 16. Simulated gain of the patch antenna with different superstrate at 3.36 GHz: (a) E plane and (b) H plane.

Table 1: Comparison of simulation times between the equivalent dielectric approach and the original design of patch

antennas
Antenna Only | Antenna+Metasurface | Antenna+Equivalent Dielectric
Frequency range (GHz) 1-5 1-5 1-5
Resonant frequency (GHz) 3.36 3.42 3.42
Gain (dB) 2.89 3.65 3.56
Simulation Time (hh:mm:ss) 00:03:37 00:25:02 00:07:47

For the second example, we consider a horn
antenna with a metasurface panel placed just in front of
its aperture. The original design and its equivalent
dielectric counterpart are shown in Figs. 17 (a) and (b),
respectively. Figures 18 and 19 plot the S-parameters
and radiation patterns of the two antenna systems and
demonstrate that they compare well with each other.

(@)

Dielectric

Next, Table 2 compares the simulation times for
the two configurations, and demonstrates that the
equivalent dielectric approach is faster by a factor of
23 in terms of the simulation time for a single layer of
metasurface, and that this factor jumps to 162 for a
double-layer metasurface.

(b)

Fig. 17. Horn antenna with different superstrates: (a) metasurface and (b) equivalent dielectric.
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Horn only
= = Horn+metasurface
Horn+Equivalent Dielectric

T
4.0 45

T T
50 5.5 6.0

Frequency (GHz)

Fig. 18. Simulated S parameters of the horn antennas with different superstrate.

Horn+metasurface_phi=0
— — Hor+Equivlent Dielectric_phi=0°

Gain(dB)

Theta/Degree

(@)
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29 — — Horn+Equivlent Dielectric_phi=80°
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=150 -100 =50 o] 50 100 150
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(b)

Fig. 19. Simulated gain of the horn antennas with different superstrates at 5 GHz: (a) E-plane and (b) H-plane.

Table 2: Comparison of simulation times between the equivalent dielectric approach and the original design of horn

antennas

Antenna | Horn+Metasurface | Horn+Equivalent | Horn+2 Layers of | Horn+2 Layers of
Only Eielectric Metasurface Equivalent Dielectric
Frequency range ) ) ) ) )
(GHz) 4-6 4-6 4-6 4-6 4-6
Gain (dB) 13.1 13.9 13.8 14.04 14.1
Simulation Time | 5331 02:20:00 00:06:00 16:17:00 00:12:00
(hh:mm:ss)

Next, we turn to a geometry which is even more
complex than the ones we have considered thus far.
Figure 20 shows a 3x3 microstrip patch antenna array
(MPA) covered by a metasurface superstrate comprising
of 8*12 unit cell elements. Once again, we replace the
superstrate with an equivalent dielectric slab, simulate
the two configurations and compare the accuracies as well
as relative numerical efficacies of the two approaches.
Figures 21 and 22 show good agreement in both the
results for the reflection coefficient as well as the

radiations patterns, in both E-and H-planes, of the two
antenna configurations depicted in Fig. 20. Table 3
compares the CPU time and RAM requirements of
the original metasurface-based antenna array and its
Equivalent Dielectric counterpart. We observe that the
simulation time using the proposed approach decreases
almost by a factor of 5, down to 15 hours from 73, and
the max RAM required is also reduced to 24.4 GB from
the original 91.3 GB.
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@)

(b)

Fig. 20. Three-element MPA with different superstrates: (a) metasurface and (b) equivalent dielectric (ED).
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Fig. 21. Simulated S parameters of the three-element patch array with different superstrates.
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Fig. 22. Simulated gain of the three-element patch with MTS and ED superstrates at 39 GHz: (a) E-plane and (b) H-

plane.

Table 3: Comparison of CPU times and required RAM between the equivalent dielectric approach and the original

design of metasurface superstrates antenna array

Max RAM (GB) Real Time CPU Time
Three-element patch 1.04 0:14:04 0:13:59
Three element patch+Metasurface 91.3 72:55:04 95:51:09
Three element patch+Equivalent Dielectric 24.4 14:56:47 16:57:22




B. Flat lens application

For the final example, we consider a metamaterial-
based flat lens, designed to replace the conventional
convex dielectric lens to reduce the fabrication cost.
The building block of the lens is shown in Fig. 24,
which is a hollowed-out dielectric cuboid, and its
Equivalent Dielectric model is shown in Fig. 23. So,
our study displays that while the performances in terms
of S1; of the horn and its gain enhancement with lens,
shown in Figs. 25 and 26, respectively, are in good
agreement over a broad frequency range of 12-18 GHz.
However, the simulation time and memory requirement
for the equivalent dielectric model are less by factors of
13x and 7x, respectively, than that for the original lens
with air holes.

Y
i * i
(@) (b)

Fig. 23. Unit cell design: (a) dielectric with air hole, and
(b) equivalent dielectric.

00

Fig. 24. Lenses with horn feed: (a) isometric view of
flat lenses, and (b) lenses in front of the feed horn.
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Fig. 25. S-parameters for horn and horn+lens

combinations.

30

25 4 e —

20 +

Gain(dB)
@

Horn antenna only|
10 | — — Dielectric+air hole
Equiv.Diel

T 1 t T T
12 13 14 15 16 17 18
Frequency (GHz)

Fig. 26. Gain comparison of horn alone and horn+lenses.

IV. CONCLUSION

A novel approach for numerically efficient simulation
of metamaterial- and metasurface-based antennas has
been presented in this work. It relies on the use of
an equivalent dielectric representation to characterize
antennas with metasurfaces and metamaterials that
are often multiscale in nature and, hence, are time-
consuming and memory-intensive to simulate. Not only
does the proposed approach offer a significant advantage
over conventional brute-force type of techniques for
multi-scale problems, it also assures that the accuracy
of the results is not sacrificed in the process. The
efficiency of the proposed ED method was tested for
several different problems and it was found to yield
accurate results while reducing the computational
resources significantly. The reduction was 66% and
83%, respectively, for the single patch antenna and the
3x1 array, both with an MTS superstrate included for
performance enhancement. For the horn antenna with
single- and double-layer MTS covers, the computational
resource requirement was reduced by factors of 23 and
162, respectively. Yet another significant advantage of
the proposed technique is that the equivalent dielectric
model can be directly inserted in commercial solvers;
hence, no new special-purpose EM simulation code
needs to be developed to handle multiscale problems
when using the proposed approach.
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Abstract — An image focusing method for holographic
subsurface radar (HSR) is proposed herein. HSR is
increasingly being utilized to survey objects buried at
shallow depths and the acquired signals are converted
into an image by a reconstruction algorithm. However,
that algorithm requires actual depth and material
information or depends on human decisions. In this
paper, an entropy-based image focusing technique is
proposed and validated by numerical simulation software
package based on finite-difference time-domain method
and experiment. The resulting images show good
agreement with the actual positions and shapes of the
targets.

Index Terms — Autofocusing, entropy, holographic
subsurface radar, image reconstruction.

I. INTRODUCTION

Subsurface radar techniques are being widely used
to image and identify concealed structures and objects.
Typically for these tasks, two types of subsurface radar
techniques are used: ground penetrating radar (GPR) and
holographic subsurface radar (HSR) [1, 2].

The GPR technique is commonly utilized to
investigate subsurface regions using impulse or ultra-
wideband signals, because these signals can effectively
penetrate subsurface materials. However, in a shallow
region, reconstructed GPR images suffer from ghost
images caused by multiple reflections. For these reasons,
the HSR technique is increasingly being applied for
subsurface imaging in shallow regions. This is due to its
features of high resolution and freedom from multiple
reflections between radiator and target, or from the target
itself [3, 4].

Recently, the HSR technique has been actively
researched for detection and imaging of subsurface
objects such as defects in insulation forms, landmines,
building structures, and weapons [5-9]. With HSR, the
radar image is gathered at a plane located above the plane
of the object of interest. Due to the gap between the
measuring and object plane, which is filled with air or
dielectric material, a raw image resulting from the survey

Submitted On: October 26, 2020
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on the measuring plane can be reconstructed using the
proper algorithms [3, 5].

For proper algorithm processing, the depth of
the object plane and relative permittivity (RP) of the
subsurface materials are required to obtain a clear image.
However, the RP may not be known exactly in a survey
environment, so whether the radar image is clear and
well-focused is judged by the operator. In this paper,
we apply an entropy-based image focusing method to
reconstruct automatically an HSR image when subsurface
materials and depth of the target are unknown.

transceiver
/ (25,2 = 0)

<>
®
:

object plane /‘

(z = 20)
Fig. 1. Geometry for HSR image data acquisition model.

I1. HOLOGRAPHIC SUBSURFACE RADAR
IMAGING
The HSR technique configures a subsurface region
as a plan-view image, which originated as an optical
holography technique proposed by Gabor [10]. Details
of the HSR principles and equations are described in
recent research [1-8].

https://doi.org/10.47037/2020.ACES.J.360402
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The method calls for acquisition of raw data in a
two-dimensional (2D) geometry that can be modelled as
shown in Fig. 1. The transceiver, typically an open-end
waveguide with rectangular or circular shape, surveys
the measuring plane in uniform sweeps in the x and y
directions.

The raw image produced directly from the raw data
has a look similar to that of the actual objects because the
electromagnetic wave propagating through the open-end
waveguide is highly attenuated outside of the waveguide
[3]. Nevertheless, the raw data can be focused to provide
a clear image using the reconstruction algorithms.

The raw data is composed of complex amplitudes
depending on the x and y position; and they should be
obtained at single or multiple frequency points. Then
the raw data can be represented as u(x,y,z = 0) and
u(x,y,z=0,w) at a single and multiple frequency
points respectively, where x = xy,x,,...,x,,, and y =
Y1, Y2 s Yo POSItiONS, and w = wy, 0y, ..., w, . The
spatial sampling intervals Ax and Ay must be less than
quarter wavelength to satisfy the Nyquist criterion [2].
Then the spectral sampling intervals can be defined by
the spatial ones.

In the case of a single frequency, the raw data can
be reconstructed as image p(x, y, z = z,) using equation
(1), as follows:

p(x,y,z = 2,) = FFT;;} [FFTZD[:(:J.'R{ 2 0)]]. (1)

In the multiple frequency case, the raw data
u(x,y,z = 0, ) can be reconstructed as image p(x, y, z)
using equation (2), as follows:

pCay, ) = et [0y 2= 0,01 )
X el¥z
where k, is defined from dispersion relations taking
into account backward wave propagation, as shown in
equation (3) [3, 8]:

k, = /4k2 — k2 — k2

= \/4(w\/5/c)2 — k2 — k2. 3)

Note that, in the multiple frequency reconstruction,
the k, vector should be interpolated to the uniform space
to use the fast Fourier transform technique [6].

In equations (1-3), the variables affecting the
focused image quality are the depth and material
RP. Typically, to find the best focused image, a
reconstruction algorithm is iteratively applied while a
person checks the image quality while varying the depth
and RP.

I1l. ENTROPY BASED HSR IMAGE
FOCUSING METHOD
Autofocus is an essential technique for image-based
systems. In particular, a passive autofocus system
assessing an image by itself employs many kinds of

ACES JOURNAL, Vol. 36, No. 4, April 2021

image evaluation metrics. Among them, entropy is a
commonly used metric that includes optical imaging,
synthetic aperture radar imaging, and microscopy imaging
[11-16]. When an image is represented in 2D space as
u(x;,y;), where, i=1,2, .., mandj=1,2, ..n,the
image entropy can be obtained as follows:

E=-Y", ;'l:la(xi'yj)ln[a(xiryj)L (4)
Juceiy I’

where a X, Vi) == .
(0 ¥)) = S 5 ey

Entropy based HSR reconstruction algorithm:

for all points (w, z) {
compute E(w, z) using (1) and (4)

}
forall w {

compute Egg(w)
}

find optimum angular frequency w, from E g¢(w)
find optimum depth z, from E(w = w,, 2)

image reconstruction using w,, z,, and (1) or (2)

Fig. 2. Summary of the entropy based HSR reconstruction
algorithm.

In this paper, we iteratively applied an entropy
metric to the HSR reconstruction algorithm. When we
assumed the RP was a free space, we could adjust the
image using only the depth values. For single frequency
data, entropy values were evaluated as E(z) within z =
0,4z,24z, ..., NAz. Then, the depth value representing
maximum entropy was selected as the optimum value.
Note that the entirely evaluated entropy values were
stored in the E(z) along the depth increments. Therefore,
the optimum value can be selected from whole values
regardless of the local optimums may exist.

Compared with single frequency data, multiple
frequency data have the advantage of a greater amount
of information. In this case, the same process used with
the single frequency data was repeated for all the angular
frequencies. The resulting entropy values form a 2D
matrix E(w, z). In this matrix, the optimal frequency and
depth can be obtained by the following procedures.
Firstly, differences between the maximum and minimum
entropy were calculated for all the angular frequency
values, and represented as Egi(w). Then, the angular
frequency value w, of the maximum difference among
all the differences calculated for each frequency could be
chosen and the remainder of the process was identical to
that for single frequency data. The entropy-based HSR
reconstruction algorithm can be summarized as in Fig. 2.



Since the penetrating depth of the HSR is typically
one to two wavelength, the proposed method also can be
applied in the range [2, 8]. Moreover, computational
complexity of the proposed method may be represented
as O(kMNlog(MN)) when assuming image pixels as
N X M and depth intervals as k.

IV.NUMERICAL AND EXPERIMENTAL
VALIDATIONS

A. Numerical validation

The proposed method was validated by numerically
surveyed data. The data was produced using a gprMax
software package that is based on the finite difference
time domain (FDTD) method [17]. Because of the
gprMax offers CUDA based graphical processing unit
operation, that is proper to gather 2D geometrical data in
an efficient manner [18].

measuring plane
(2=0)

;N\

>

object plane /‘

(z = 20)
(a)
measuring plane
(z=0)
L \\_“-\____“\‘\

|
‘\
object plane / y

(z = 20) dielectric box

(b)

Fig. 3. Geometries for numerical validation: (a) only
copper sheet target placed below the array, and (b)
dielectric box placed above the copper sheet target.
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In the validation, two geometries were surveyed
using a copper sheet target with a special shape of letter
‘S’ as illustrated in Fig. 3. One is only target placing 5
cm below the surveyed array and another is dielectric
box was covered with the target, where the box was
composed by four RP material with 4 cm thickness. The
surveyed array covers from -9 cm to +9 cm with 0.2 cm
increment both in x and y directions configuring 91 x 91
array. The numerical geometry was modeled as 400 x
400 x 140 cells with 5 mm steps in x, y, and z directions.
In the model, 1040 iterations were performed with 0.963
ns time step. And a differentiated Gaussian source with
20 GHz peak frequency was used as a point source for
each acquisition of the array.

The numerically obtained data can be represented as
raw images at an acquisition plane as represented in
Figs. 4 (a) and (c), and reconstructed images at an object
plane using the proposed method as represented in Figs.
4 (b) and (d). In the reconstruction process, the depth
increments were arranged from 0 to 10 cm with 0.01 cm
steps.

Fig. 4. Raw and reconstructed images using the proposed
method via numerically obtained data: (a) raw image
of target only geometry at 19.76 GHz, (b) reconstructed
image of target only geometry, (c) raw image of
target with dielectric box geometry at 20.49, and (d)
reconstructed image of target with dielectric box
geometry.
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Table 1: Calculated optimal frequency and depth values
of numerical validation

ACES JOURNAL, Vol. 36, No. 4, April 2021

Table 2: Calculated optimal frequency and depth values
of experimental validation

Target fo (GH2) z, (cm) Target fo (GH2) z, (cm)
Free space 19.76 5.03 ‘S’ only 18.81 1.53
With dielectric box 20.49 2.59 ‘S’ of ‘ST’ 19.29 6.89
‘T’ of ‘ST 18.56 3.58

Calculated results of optimal frequency and depth
values are represented in Table 1. Compared to the
raw and reconstructed images, the focused images are
matched with the actual shape and position. Note that the
second geometry case, optimal depth is decreased by
effect of the dielectric box between surveying array and
target.

B. Experimental validation

The proposed method was validated experimentally.
A monostatic HSR system was made that included
a vector network analyzer, three-dimensional position
scanner, and a rectangular waveguide with open-end
shape. The survey frequency range was from 18.5 to
19.5 GHz with 10 MHz steps. Two experiments were
conducted by scanning letters with ‘S’ and ‘ST’ shapes
made of silicon 2 cm thick, as shown in Fig. 5.

In the first experiment, the letter ‘S’ was placed 1.5
cm below the open-end of the waveguide. The scanning
range was from -15 to +15 cm with steps of 0.5 cm in
both the x and y directions. In the second, experiment,
‘S’ and ‘T” were placed 6.5 and 3.5 cm below the
waveguide, respectively. The scanning ranges were
-35 to +35 cm and -20 to +20 cm, with 0.5 cm steps in
the x and y directions, respectively.

The raw images and images reconstructed using
the proposed focus method, are shown in Figs. 6 and 7.
In the reconstruction process, the depth increments
were arranged from 0 to 8 cm with 0.01 cm steps. The
calculated entropies according to the depth increment
are represented in Fig. 8. In Figs. 6 (a), 7 (a), and 7 (c),
the raw images are illustrated at a single frequency
calculated in the reconstruction process. In the first
experiment, the optimal depth and frequency for a single
target was obtained and the images were reconstructed
using the depth value at single and multiple frequencies.
In the second experiment, the letters were placed at
different depths. Thus, the focus process was applied
twice for each letter ‘S’ and ‘T’. The results from
calculation of the optimal frequency and depth values
are represented in Table 2. In the table, the depth values
are matched to the actual depth of the target. Compared
to the raw images, each reconstructed image of a letter
shows fewer layers in the shape. This reduction of the
layering leads to better focused images with increased
sharpness. This shows that the proposed method works
well for automated focusing of HSR images.

Fig. 5. Experimental setup for measuring letter ‘S’ and
letters ‘ST’.

Fig. 6. Raw and reconstructed images using the proposed
method: (a) raw image of letter ‘S’ at 18.81 GHz,
(b) reconstructed image of ‘S’ at 18.81 GHz, and (c)
reconstructed image of letter ‘S’ at multiple frequencies.
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cm

cm

cm

T, cm

Fig. 7. Raw and reconstructed images using the proposed
method: (a) raw image of letters ‘ST’ at 19.29 GHz, (b)
reconstructed image of letter ‘ST’ focused on ‘S’ at
19.29 GHz, (c) raw image of letters ‘ST’ at 18.56 GHz,
and (d) reconstructed image of letter ‘ST’ focused on ‘T’
at 18.56 GHz.
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Fig. 8. Calculated entropies according to depth increment:
(a) target placed 1.5 cm below, (b) target placed 6.5 cm
below, and (c) target placed 3.5 cm below.

V. CONCLUSION

In this paper, an HSR image focusing method
was proposed for evaluating images based on an entropy
metric. The proposed method iteratively finds the
optimal frequency and depth of target objects by
assuming the subsurface materials to be free space. For
each iteration, the reconstructed image was obtained
varying frequency and depth value, and the optimum
values were determined through the image evaluation
results. The method was validated numerically and
experimentally. The numerical validation was used a
FDTD based gprMax software package and experimental



378

validation was used an HSR system configured at a
laboratory level. The reconstructed images similarly
illustrated the actual shapes of the targets. Thus, the
proposed method appears helpful for automated focusing
of HSR images.

ACKNOWLEDGMENT
This research was supported by Development of
Core Technologies for Advanced Measuring Instruments
funded by Korea Research Institute of Standards and
Science (KRISS — 2021 — GP2021-0009).

REFERENCES

[1] J. D. Taylor, Ultrawideband Radar Applications
and Design. CRC Press, Boca Raton, FL, 2012.

[2] J. D. Taylor, Advanced Ultrawideband Radar
Signals, Targets, and Applications. CRC Press,
Boca Raton, FL, 2017.

[3] S.lIvashov, V. Razevig, I. Vasiliev, T. Bechtel, and
L. Capineri, “Holographic subsurface radar for
diagnostics of cryogenic fuel tank thermal insulation
of space vehicles,” NDT & E International, vol. 69,
pp. 48-54, 2015.

[4] S. I lvashov, I. A. Vasiliev, T. D. Bechtel, and
C. Snapp, “Comparison between impulse and
holographic subsurface radar for NDT of space
vehicle structural material,” PIERS Online, vol. 3,
no. 5, pp. 658-661, 2007.

[5] A. Zhuravlev, S. Ivashov, I. Vasiliev, and V.
Razevig, “Processing of holographic subsurface
radar data,” in Proc. 14th Int. Conf. Ground
Penetrat. Radar (GPR), Shanghai, China, June 4-
8, 2012.

[6] J. T. Case, F. L. Hepbum, and R. Zoughi,
“Inspection of spray on foam insulation (SOFI)
using microwave and millimeter wave synthetic
aperture focusing and holography,” in Proc. IEEE
Instrum. Meas. Technol. Conf. (1I2MTC), Sorrento,
Italy, Apr. 24-27, 2006.

[71 S. lvashov, A. Zhuravlev, M. Chizh, and V.
Razevig, “High resolution MW holographic system
for NDT of diclectric materials and details,” in
Proc. 16th Int. Conf. Ground Penetrat. Radar (GPR),
Hong Kong, June 13-16, 2016.

[8] S. I Ivashov, V. V. Razevig, I. A. Vasiliev, A.
V. Zhuravlev, T. D. Bechtel, and L. Capineri,
“Holographic subsurface radar of RASCAN type:

(9]

[10]

[11]

[12]

[13]

[14]

[15]

[16]

[17]

(18]

ACES JOURNAL, Vol. 36, No. 4, April 2021

Development and applications,” IEEE J. Sel. Topics
Appl. Earth Observ. Remote Sens., vol. 4, no. 4, pp.
763-778, 2011.

D. M. Sheen, D. L. McMakin, and T. E. Hall,
“Three-dimensional millimeter-wave imaging for
concealed weapon detection,” IEEE Trans. Microw.
Theory Techn., vol 49, no. 9, pp. 1581-1592, 2001.
D. Gabor D, “A new microscopic principle,”
Nature, vol. 161, no. 4098, pp. 777-778, 1948.

X. Wei and Y. Zhang, “Autofocusing techniques
for GPR data from RC bridge decks,” IEEE J. Sel.
Topics Appl. Earth Observ. Remote Sens., vol. 7,
no. 12, pp. 4860-4868, 2014.

R. L. Morrison, M. N. Do, and D. C. Munson,
“SAR image autofocus by sharpness optimization:
A theoretical study,” IEEE Trans. Image Process.,
vol. 16, no. 9, pp. 2309-2321, Sep. 2007.

F. Ahmad, M. G. Amin, and G. Mandapati,
“Autofocusing of through the-wall radar imagery
under unknown wall characteristics,” IEEE Trans.
Image Process., vol. 16, no. 7, pp. 1785-1795, July
2007.

L. Xi, L. Guosui, and J. Ni, “Autofocusing of ISAR
images based on entropy minimization,” |EEE
Trans. Aerosp. Electron. Syst., vol. 35, no. 4, pp.
1240-1252, Oct. 1999.

S. Podlech S, “Autofocus by Bayes spectral
entropy applied to optical microscopy,” Microscopy
and Microanalysis, vol. 22, no. 1, pp. 199-207,
2016.

S. Yazdanfar, K. B. Kenny, K. Tasimi, A. D.
Corwin, E. L. Dixon, and R. J. Filkins, “Simple
and robust image-based autofocusing for digital
microscopy,” Optics Express, vol. 16, no. 12, pp.
8670-8677, 2008.

C. Warren, A. Giannopoulos, and I. Giannakis,
“gprMax: Open source software to simulate electro-
magnetic wave propagation for ground penetrating
padar,” Computer Physics Communications, vol.
209, pp. 163-170, 2016.

C. Warren, A. Giannopoulos, A. Gray, I. Giannakis,
A. Patterson, L. Wetter, and A. Hamrah, “A
CUDA-based GPU engine for gprMax: Open source
FDTD electromagnetic simulation software,”
Computer Physics Communications, vol. 237, pp.
208-218, 2018.



ACES JOURNAL, Vol. 36, No. 4, April 2021

New Approach of Efficiency Improvement in 10 dB Doherty
Power Amplifier for 4G LTE and 5G Wireless Applications

Suganthi Santhanam* and Palavesam Thiruvalar Selvan 2

! Department of Electronics and Communication Engineering
K. Ramakrishnan College of Technology, Trichy, Tamilnadu-621 112, India
tvssugi@gmail.com, suganthis.ece@krct.ac.in

2 Department of Electronics and Communication Engineering
SRM TRP Engineering College, Trichy, Tamilnadu, India
thriuvalar@gmail.com

Abstract — In this research article, the design procedure
and comparative analysis of the 10 dB Doherty power
amplifier (DPA) with single and double auxiliary
amplifier for maximum efficiency has been presented.
A new Doherty amplifier structure with parallel two
auxiliary amplifiers based on conventional design having
optimum value of load resistance of 3.162 ohm has
been proposed with higher efficiency of 85.803% and
analyzed with n-tone sinusoidal signal. The proposed
Doherty power amplifier can achieve drain efficiency of
83.299% & with single and 85.803% with dual auxiliary
amplifier at the output power back, off of 10 dB from
the saturated power point. The simulated outputs are
matched with mathematically derived design values. The
simulated n-tone time response shows that the proposed
design of DPA can able to handle different modulation
standards at different frequencies with compatible
structure.

Index Terms — Auxiliary amplifier, Doherty power
amplifier, efficiency, peak to average power ratio,
transceiver, wireless communication.

I. INTRODUCTION

Present wireless industry moving towards 5G
communication placed RF transceiver in the proximity
of each antenna in MIMO (Multiple Input Multiple
Output) system of high data rate and connectivity [1].
To achieve linear performance from power amplifier
[2], it should be operated at far back-off level for high
data rate enhancement. The modulation envelope in
such mobile communication method can be measured
by Peak — to — Average Power Ratio (PAPR) [3]. For
higher PAPR, the power amplifiers (PAs) should be
operated at a larger back off power level from saturation
and in wideband [1]. 5G evaluation in modern wireless
communication requires multi band [4] operable power
amplifier (PAs) with high efficiency. Due to mature
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implementation and simple in structure [5-6], Doherty
Power Amplifier (DPA) is widely used at GHz
frequencies than other amplifier configuration such as
envelope tracking and out phasing power amplifier [7].

DPA invented in [5] has been popular for the
design of power amplifier [8] due to simple topology,
self sufficient (no need of external circuit fro efficiency
control), efficient amplification with linearity and large
PAPR [9] to reduce the energy consumption in 5G
communication. The conventional DPA consists of
main and auxiliary amplifiers connected by common
load with quarter wave transformer. Generally power
amplifier is operated at saturation for higher efficiency
at which the small increase in input power can push the
amplifier from the linear mode to the saturated mode.
To ensure the amplifier to operate in linear region we
lower the power level from maximum efficiency point.
This power level lower is called as power back — off
(PBO). The PBO of symmetric DPA is 6 dB while the
PAPR of 4G LTE [10] signal is 6 dB to 12 dB. Hence,
to fulfill the requirement of 4G and 5G [11], [12]
communication, various techniques like linearity and
power added efficiency [13], power control technology
[14], asymmetric structure [15] and harmonic injection
[16] have been introduced to replace symmetric DPA’s
with extended PBO region. Among these, alternative
asymmetric structure is mostly preferred due to its
simple design process and structure.

Asymmetric Doherty power amplifier (ADPA)
consists of main and auxiliary amplifier in two classes
with power divider and power combiner. Generally,
class B PA for main amplifier and class C PA biasing
for auxiliary amplifiers are mostly preferred and
theoretically discussed in [17]. This conventional ADPA
can be operated at average output transmitted power in
9 - 12 dB range below the maximum power. It is possible
to combine the output power of many PAs to increase the
linearity, larger the PBO and to maintain the efficiency
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[18] throw out the back off region. This configuration
is called as “multistage DPA”. In this paper, we have
proposed a comprehensive discussion on efficiency
enhancement for DPA and for thorough understanding
of high efficiency DPA design for 5G wireless
transmitters. This paper proposed the comparison of
10 dB back off power DPA with single and double
auxiliary amplifier for efficiency improvement as
compared to [19]. The proposed DPA with two auxiliary
amplifiers delivers power added efficiency (PAE) of
85.803% with output power of 25.04 dB under n-tone
test. Design equation for calculating efficiency has been
elaborated and mapped with simulation parameters to
give insight from theory to practical implementation.

I1. THEORY AND DESIGN OF DPA
Power amplifier gains more attention now a day for
wideband [19], low cost and high integration applications
[20]. It is common in mobile communication to operate
the power levels of 10 — 40 dB back off from peek power.

A. Structure of 10 dB DPA

In DPA, the drain current in main amplifier
increases linearly from initial value since biased in class
B mode. But in auxiliary amplifier drain current does
not flow after certain value of input voltage since biased
in class C mode. The auxiliary amplifier current starts
to increase beyond threshold value (X) with respect
to input voltage. In this design, the auxiliary class C
amplifier is biased such that no current flows below
X=0.3. The output of main amplifier is connected
to input of auxiliary amplifier through quarter wave
transformer [19] QWT to compensate for a 90° in main
amplifier. Both transistors are operated as dependent
current source with main amplifier saturate at high
power at which auxiliary amplifier is in off state.
Hence, the linearity of overall amplifier is improved for
high efficiency at high input power level. The block
diagram and the equivalent circuit of basic DPA are
shown in Figs. 1 (a) & (b) respectively. In Fig. 1 (a), the
quarter-wave transformer which connects the output of
the main power amplifier and the input of the auxiliary
amplifier is used to compensate for a 90c phase shift
introduced by the transformer in the main amplifier.

Main Amplifier

V4 Tx Line, Z,
Output Voltage

Curretmsin (Ir)

Input Voltage

Auxiliary Amplifier

Currentaiary (1)

@
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R

Fig. 1. Doherty power amplifier: (a) block diagram and
(b) equivalent circuit.

In Fig. 1 (b), both amplifiers are represented as
current source 1; & I, with load resistance rl and r3 as
the load resistance seen by the drain and source with
and without quarter-wave transmission line transformer
as an impedance inverter. In Fig. 1 (b), the load
resistance is to be increased to maintain the fundamental
output voltage as constant. This is achieved by QWT
as impedance inverter which is connected between the
load R. and the current source li. The relationship
between R; and Rsis given by:

Z;

R, R, ()
where Z, is the characteristics impedance of QWT,
Ri is the load resistance of current source I; (Main
amplifier). The load resistance of current source I,
(auxiliary amplifier) is given by:

R,=R, (1+:3J. o)

2

B. Calculation of efficiency

In order to analyze the combined effect of main
and auxiliary amplifiers and to analyze the efficiency,
the two amplifiers current sources equivalent circuit
model has been used. The simplified equivalent model
of main and auxiliary current sources (11 and -jl,) has
been drawn in Fig. 2.

m

Fig. 2. Doherty amplifier output simplified model.

The drain current from main and auxiliary
amplifiers are with 90° phase delay introduced by QWT
represented by —j. The ABCD parameter of QWT s
given by:



el e
1 JZO 0 I2
V1 can be expressed as:
. —(V, .
Vi=1Z,1,=]4, [EZ_JIZJ
2 (4)
=— Il%’+20 l,.

Let X is the normalized input voltage at which the
main and auxiliary amplifier switches between active
and saturation for contributing efficiency. The value of
Z2R is selected in such that X = 0.3 V, the efficiency
of DPA becomes the efficiency of main amplifier alone
since the auxiliary amplifier is in off state for below
X = 0.3. For the above the value of X = 0.3, the
auxiliary amplifier turns on for current I, to flow and
main amplifier is in saturation state. Hence, the
efficiency of DPA is:

n X<03 5)
7, X>03]

where n1 and 1, depends on 11 and |, in the normalized
input voltage X range (0 < X < 1). I; and I, can be
expressed as:

I, =X

| 0 X <0.3

27 2(Xx-0.3) Xx>03]"

From the equation (4), we found that these two

currents are opposite to each other and cancel out each
other. This cancellation is done to make the two current
terms that have the same slopes for X. But the slope
of I, is 3.162 for X, and hence Z,4R should be equal
to 3.162 Z, to cancel out each other, and hence Z; =
3.162xR. The efficiency of DPA can be calculated by
Fourier series analysis of class B and class C PAs.

Using Fourier series, the DC current component of
main amplifier is expressed as:

TTopartods :{

(6)
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Where Ig and Irr are the DC quiescent in the absence of
RF and fundamental drain current. The fundamental
wave component of I, is given by:

©)

The DC component of main and auxiliary amplifier are
expressed as:

|1='£(2¢9—sin 20)=1¢ 7.
2z

10
7o (‘9) (10)
“7.(9)
where conduction angle 0 = cos-* (0.3). From these two
current components, we can get the DC power input
expressed as:

=1

Poc=Rn=lp+1y: 11)
This is the normalized DC power input to DPA by
setting the DC supply to 1. The RF power output by
two amplifiers due to this input power is given by:

1

Pee =Pt :E(Vl I, +V, Iz)- (12)

From equations (11) and (12), the efficiency of DPA is
calculated as:

%17=Eix1oo.

DC

(13)

I11. SIMULATION STRUCTURE AND ITS
PARAMETERS
The Advanced Design System (ADS) structure that
used for simulation of Doherty Power Amplifier (DPA)
for 10 dB PBO for high frequency is shown in Fig. 3.
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Fig. 3. Simulated structure of Doherty power amplifier: (a) with single auxiliary amplifier, and (b) with double

auxiliary amplifier.

Figure 3 (a) represents the single stage n — tone
10 dB PBO DPA and Fig. 3 (b) represents the DPA
that has two auxiliary amplifiers in parallel with
same specification. The variable initialization used in
simulation structure is defined in Table 1 with its name.

Table 1; Parameters used in ADS simulation

Variable Description Value
Name
Nonlinear AC simulation for generation of
HB1 sinusoidal source at fundamental frequency
(freq) and n'™ harmonic (order) frequency
s Normalized input voltage (X) represented as
weep

VAR3 from 0 to 1 in 0.1 step along with HB1

X Normalized input voltage 0.3
IREb Peak value of the Main IRFb_max * X
current source
IREc Peak value of the auxiliary | IRFc_max*(2*(x—
current source 0.5)*step(x—0.5))
IRFb_max MaX|ml_Jm peak value of Vbk/gammal(thetab)
the Main current source
IRFc_max Maxw_nym peak value of 1/gammal(thetac)
the auxiliary current source
Phase delay between main 1
Pd(x) & auxiliary amplifier Cos™(X)

IV. RESULTS AND DISCUSSION

The Doherty power amplifier with 10 dB power
back off and n-tone sinusoidal inputs has been simulated
with single auxiliary amplifier and double amplifier.
Figure 4 represents the simulation results of single
auxiliary 10 dB DPA characteristics. Figure 4 (a) shows
the simulated output voltage of two amplifier current
sources. Both the main and auxiliary current sources

have the maximum value of 2 A.
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Fig. 4. Simulated response of Doherty power amplifier
with single auxiliary current source. Main & auxiliary
amplifier: (a) output voltage, (b) output current, (c)
DPA output voltage, and (d) voltage and current in
terms of input voltage.

The conduction angle can be found from the width
sinusoidal tipped wave form of auxiliary source which
is half of the main source (256.3 ms=512.5/2 ms).
This validates the theoretical conduction angle of
0 = cos™(0.3). Figure 4 (b) shows the variation of two
amplifiers output current in terms of input voltage with
maximum current capacity of two transistors. It shows
that the auxiliary amplifiers operating in class C, a
maximum current capacity is 1.533 A while for main
amplifier operating in class B, the maximum current
capacity is 0.633 A. The parallel resonance LiC; with
quality factor 10 to calculate its value has been placed
between the two amplifiers. This makes the output
voltage close to sinusoidal waveform as shown in
Fig. 4 (c). Figure 4 (d) shows the variation of main and
auxiliary current sources output voltage and current in

SANTHANAM, SELVAN: DOHERTY POWER AMPLIFIER FOR 4G LTE AND 5G

terms of input voltage. It shows that the auxiliary
current begins to increase beyond threshold voltage
(X=0.3). It shows the normalized voltages (V1 and V)
and normalized currents (I; and ;) of main and
auxiliary amplifiers with its maximum value of equal
amplitude.

<
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o -
2 2
-
'0-4\\\\‘\\\\‘\\\\‘\\\\‘\\\\0-2
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time, sec
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3
1 m1 _
/ /!_\ ts(Vout)=2.052
3
3
>

0.0 04 08 12 16 20

time, sec

(b)

Fig. 5. Simulated output response of Doherty power
amplifier with dual auxiliary current source: (a)
currents and (b) voltage.

We have followed the similar procedure for DPA
with two auxiliary amplifiers connected in parallel and
the outputs derived are shown in Fig. 5. Table 2 shows
the variation of efficiency for single auxiliary DPA
having efficiency of 83.299% and for double auxiliary
amplifiers with higher efficiency of 85.803%. Hence, it
is proved that the Doherty power amplifier can be
designed for high efficiency application by proper
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design of main and auxiliary amplifiers in suitable
configuration.

Table 2: Comparison of efficiency of DPA with single
auxiliary amplifier (EFF) and for double auxiliary
amplifier (EFF2b) with Rgpe=1 ohm and Zo=3.162 ohm

X EFF | EFF2b | X EFF | EFF2b
0 0 0 0.6 62.86 22.63
0.1 | 2484 | 017 0.7 67.16 35.96
0.2 | 49.67 | 0.68 0.8 72.19 51.19
03 | 7451 1.49 0.9 77.62 67.91
04 | 6182 | 436 1.0 83.29 85.80
0.5 | 6013 | 1181

V. CONCLUSION

The method of designing 10 dB n-tone single and
double auxiliary amplifiers Doherty power amplifier for
high efficiency application is presented and reviewed.
In this method it has been proved that the simplest way
of providing a high efficiency at the output back — off
region is Doherty power amplifier having load
modulation and no additional circuit requirements. The
simulated results show that 10 dB output power back
off with higher efficiency of 85.803% has been
achieved and matched with theoretical design values.
The proposed DPA exhibits high efficiency over broad
band which covers 5G bands for modern wireless
communication standers. The attainment of above 85%
efficiency shows that DPA can increase the power
efficiency in comparison with class B amplifier operated
at saturation level. Future work would be focused on
fabrication of dual auxiliary amplifier DPA to validate
the simulated results at mm wave spectrum.
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Abstract — This research article aims to investigate the
thermal effects on human eye due to exposure of EM
(electromagnetic) field at 5G frequencies. A secondary
purpose of the article is to show that SPICE, one of the
most commonly used tools in circuit analysis, can be
used to solve complex EM and bioheat transfer problems.
Both electric field and temperature distributions in human
eye are simulated with transmission line modelling
(TLM) method. Also, finite element method (FEM)
calculations are carried out for comparison. Temperature
distributions are calculated for 30 minutes of EM
radiation exposure. As a subject of the simulation, a
human is chosen that the power density of incoming
field at the human eye is assumed as the maximum of
the ICNIRP general public exposure limits. A good
consistency between TLM and FEM based simulations
is found. A new transmission line model based on Debye
parametric model is generated for simulation of EM
field distribution in the tissues. With this generated
transmission line, the results for the frequencies of
interest can be obtained via single simulation. Also,
a new transmission line model is developed for the
temperature distribution simulation in which the effects
of noncompressible fluid flow such as non-unidirectional
blood flow in tissues and flow in aqueous humor are
taken into consideration.

Index Terms — 5G, bioheat transfer, electromagnetic
field, TLM.

I. INTRODUCTION

Wireless communication technologies have been
advancing to meet constantly changing demands or
to overcome the challenges such as capacity, quality
of service, data rate, cost etc. [1]. To facilitate such
increasing demands a new mobile cellular network
architecture, 5G (fifth generation), is needed since,
they cannot be provided sufficiently by the 4G (fourth
generation) technologies [2].

However, these advances in wireless communication
technologies cause some public concerns about possible
hazardous health effects of mobile communication. In
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the recent decades, concerns on EM (electromagnetic)
power absorption by the human eye have been raised
since as the wireless communication advances, the
chance of direct EM radiation exposure of the eye in a
GHz frequency band increases [3]. Naturally, the public
looks for reassurance that they are not in any way
harmful or dangerous environment.

In the literature, numerous studies have been
conducted to investigate the electromagnetic power
absorption in the human eye with different models as
well as for different frequencies. In Table 1, some of the
related studies in the literature are given in terms of their
eye model, frequency of interest and EM wave and
bioheat transfer solution method.

Table 1: Some of the studies on EM power absorption by
the human eye in the literature

Eye Tissue Fre EM Bioheat
Study éontent (Gqu.) Solution | Solution
Method | Method
@ | & . LS | 0.9-10 | FDTD | FDM
[4] ¢ hls 6’3%)8’ FDTD | FEM
[5] | ah,cl,s,vh | 06-6 | FDTD | FDTD
6] |amehlpe | g FEM | FEM
s, vh
| C\'/r']* LS. | 09-10 | FDTD | FOM
(g] |MmChlpc | 6998 | FEM | FEM
s, vh
[9] ah,c, I, s 0.6—6 | FDTD -
[10] | ahcls | 06-4 | FDOTD | -
[y | echbhl g5 | FpTD | -
r,s,vh
ah, c,ch,i,l, | 0.9, 2.6,
[12] m, r, s, vh 28 FIT )

*ah: aqueous humor, c: cornea, ch: choroid, i: iris, I: lens, m: muscle,
pc: posterior chamber, r: retina, s: sclera, vh: vitreous humor, FDTD:
finite difference time domain, FDM: finite difference method, FEM:
finite element method, FIT: finite integration theory.
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In this study, thermal effects of EM waves at 5G
frequencies on the human eye is investigated. Both
EM field distribution and bioheat transfer in the eye is
solved with transmission line modelling (TLM) method.
Also, they are solved with FEM for comparison. The
TLM based simulations are carried out in NGSpice
environment while the FEM based simulations are
carried out in COMSOL Multiphysics environment.

TLM is used in the literature as a numerical solving
method for some types of partial differential equations.
These equations are wave equation that can be used
to define EM propagation in lossless media, diffusion
equation that can be used to define bioheat transfer and
an equation that is linear combination of wave and
diffusion equations which can be used to define EM
propagation in lossy media. The main advantages of
TLM are unconditional stability and non-requirement of
matrix inversion for time-domain solutions [13].

The model of the eye is taken as described in [14].
It consists of six tissues: aqueous humor, cornea, iris,
lens, sclera and vitreous humor as shown in Fig. 1.

lens

cornea

vitreous humor

iris

aqueous sclera

humor
Fig. 1. 2D model of eye used in the study [14].

5G carrier frequencies considered in the study are
0.7GHz, 3.6GHz, 26GHz, 32GHz and 42GHz. According
to European Conference of Postal and Telecommunications
Administrations (CEPT) report:

- The Radio Spectrum Policy Group (RSPG)
considers 0.7GHz band for indoor and
nationwide 5G coverage.

- The RSPG considers 3.6GHz band to be the
primary band for introducing 5G based services

- The RSPG recommends 26GHz band as a
pioneer band.

- The RSPG considers 32GHz band as a
promising band and 42GHz band as a viable
option in the longer term [15].

The paper is so organized that, Section 2 provides

materials and method, Section 3 contains simulations
and results, and Section 4 offers the conclusion.
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1. MATERIALS AND METHODS
Transmission line circuit theory can be applied
to solve wave equations when A > [ where A4 is the
wavelength and [ is the spatial resolution [16].
Wavelength of an EM wave travelling through a lossy

medium can be calculated as follows:

A= 1)

fen,
Here c is the speed of light in vacuum, &, is the relative
permittivity of the medium, u,. is the relative permeability
of the medium and f is the frequency.
The wavelengths of EM waves travelling through
the tissues for the frequencies of interest are given in
Table 2.

Table 2: Wavelengths (mm) of EM waves travelling
through ocular tissues with respect to frequenc

Tissue | 0.7GHz | 3.6GHz | 26GHz | 32GHz | 42GHz
a 51.52 | 10.38 2.11 1.87 1.61
c 57.12 | 11.81 2.39 211 1.80
i 57.48 | 11.63 2.27 2.00 1.71
| 71.13 | 14.55 3.02 2.66 2.27
S 57.32 | 11.67 2.35 2.08 1.78
v 51.63 | 10.16 2.07 1.88 1.68

*a: aqueous humor, c: cornea, i iris, |: lens, s: sclera, v: vitreous humor.

In literature, thermal wave models of bioheat transfer
(TWMBT) is proposed for solving bioheat transfer
problems [17-19]. The wavelength of thermal waves can
be calculated as:

2\2n

A= .
Je, 10y +e 1) +4(@,C, 1k, )

Here ¢y is the speed of thermal wave (m/s), a is the
thermal diffusivity (m?/s), w, is blood perfusion rate
(kg/m3/s), C, is specific heat capacity of blood
(Ws/kg/K) and k is thermal conductivity of tissue
(W/m/K). The speed of thermal wave and thermal
diffusivity is defined as follow:

[a K,
= |—,0=——. 3
G T “ p.C @)

Here pr is density of tissue (kg/m3), C is specific heat
capacity of tissue (Ws/kg/K), and 7 is thermal relaxation
time of tissues (s).

There are several studies conducting on finding
thermal relaxation time of tissues [20-23] and its value
varies between 0.426 and 50 seconds. By examining (2)
and (3) the thermal wavelength and thermal relaxation
time are proportional. Thermal relaxation time selected
as its lowest value to determine spatial resolution for
solving bioheat transfer problem with TLM. For this
value thermal wavelength values in the ocular tissues are
given in Table 3.

The wavelength values given in Tables 2 and 3 is used
to determine the 2D-TLM mesh size to ensure the spatial

O]

387



388

resolution is much smaller than wavelengths (I << A). The
mesh size will be given in Section III.

Table 3: Wavelength (mm) of thermal waves travelling

in ocular tissues

Agueous Vitreous
Humor Humor

1.64 1.61 1.57 1.53 1.57 1.63

Cornea| lris Lens | Sclera

A. TLM for electromagnetic wave solution

The field equations for a plane wave in a medium
can be analogous to the circuit equations for a wave on a
transmission line. This similarity can be favourably used
for the analysis of a travelling EM wave in a medium
based on transmission line analogy.

It is assumed that the incoming EM wave is
characterized by TM (transverse magnetic) fields (TM-
mode) to simplify the problem as in [6, 8, 24, 25].
Moreover, TM or TE (transvers electric) mode cavity
resonators are usually employed in the current mobile
base stations [26,27] and they will be still useful for 5G
base stations [28].

It is very well established in the literature that TM
or TE mode EM wave problems can be solved with 2D-
TLM method [29]. Hence, 2D-TLM shown in Fig. 2 can
be used to solve TM mode EM wave problems.

Consider a TM wave propagating along z direction
in a lossy medium. The only none zero field components
are H,, H, and E,. Using Maxwell’s Equations, the
following equations are obtained:

E, oH,
NG 4
> " (4)
OE oH
—L=—p—2x, 5)
oy ot
oH
M e 0 ©)
x oy at

By taking derivatives of (4) and (5) with respect to x and
y respectively, combine the resultants with (6) yields to:
0’E, O°E OE 0’E
——5+t—5 =Ho—*+ue—=. )
ox: oy ot ot
For solving (7), the transmission line shown in Fig.
2 can be used. In the figure V is voltage, R, L,C and G
are resistance, inductance, capacitance and conductance
per meter of the transmission line respectively and Al is
the unit length of the transmission line in the both x and
y axis. IFKVL (Kirchhoff’s voltage law) is applied along
x and y axis the followings are obtained, respectively:

N _rr 9 ®)
oV ol
——=Rly+LEy. 9)

Then, if KCL (Kirchhoff’s current law) is applied to
the node V shown in Fig. 2:
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AN ey (10)
ox oy ot
is obtained. By taking derivatives of (8) and (9) with
respect to x and y respectively and combine the
resultants with (10) yields to:
Q+Q:ZRGV +2RC8—V+2LG8—V+2LCQ. (1)
ox° oy ot ot ot

If the value of R is taken as negligibly small or zero
below equivalence can be established between (7) and
(12):

Vo E

Low 2Coe 26 o0

The electrical parameters of the tissues are given in
Table 4 with respect to frequency.

» LeH, -1, oH,

(12)

Fig. 2. 2D Lumped model of transmission line.

Table 4: Electrical parameters of ocular tissues with
respect to frequency [30]

Tissue | 0.7GHz | 3.6GHz | 26GHz | 32GHz | 42GHz

a L5 69.20 | 64.40 | 30.0 25.1 19.7
o | 234 4.69 41.4 48.0 56.3

c L& 56.30 | 49.80 | 234 19.8 15.7

o | 131 3.26 30.8 35.7 41.8
& | 55.60 | 51.30 | 258 220 17.5
o | 088 2.65 31.6 37.2 44.4
& | 3630 | 32.80 | 146 12.4 9.87
o | 044 1.76 194 22.3 25.9
& | 559 51.0 24.1 204 16.1
o 1.1 3.0 314 36.5 42.9
& | 68.90 | 6730 | 311 24.9 18.0
o | 158 3.58 47.9 55.5 63.9

*a: agqueous humor, c: cornea, i: iris, I: lens, s: sclera, v: vitreous humor.

\"

The value of u,. (relative permeability) is selected as
1, since human tissues are a non-magnetic material that
their magnetic permeability is same as or very close to
that of vacuum [31,32].



In classical TLM method, it is not possible to solve
a multi-frequency EM field distribution problem in a
lossy media with a single simulation. Simulations must
be carried as many as the number of the frequencies of
interest. In this paper, a new transmission line model is
design to make it possible to solve such multi-frequency
EM field distribution problem with a single simulation.

In the literature, there are studies that employ
parametric model of tissues’ dielectric properties in
order to solve a multi-frequency EM problem with a
single simulation [33-35].

There are two parametric models of tissues
commonly employed in the literature. These are Debye
and Cole-Cole [36] parametric models. In both models,
the dielectric properties of tissues can be expressed as
a function of frequency over some frequency range.
Debye parametric model is usually preferred because of
its lower computational complexity and it can be easily
expressed in time and frequency domain. On the other
hand, Cole-Cole parametric model offers higher accuracy,
and it can model the dielectric properties of tissues for a
very large frequency range (typically from Hz to THz).

In this study, Debye parametric model is employed
due to its lower computational complexity and it can be
easily synthesized with an RC ladder network as it will
be discussed in this section.

The Debye parametric model that describes the
complex permittivity of a lossy medium is given in (13):

. . o, n o Ag
g(w)=¢(0)— je () =g, + o +Zi:11+ jor (13)

Here &'(w) and €"”(w) relative permittivity and
dielectric loss factor respectively, n is the total number
of Debye poles, €, is relative permittivity at the highest
frequency (usually in THz region), o the static ionic
conductivity, g, is the permittivity of free space, Ag; is
the change in the relative permittivity and t; is the it"
relaxation constant at it" dispersion.

The relation between conductivity of medium (o)
and dielectric loss factor €' (w) is given in (14):

o = 0g,E (o). (14)

The parallel admittance per meter of the transmission
line shown in Fig. 2 is given as:

Y(®) =2(G+ joC). (15)

Using (12) and (14), the parallel admittance can be
described in terms of Debye parameters as given in (16):

Y(w) =2(G+ jwC),
2(G+ joC) &> o+ joe,

o+ joe > jog, (e (0) - je (0)), (16)
n A€

. ()
Y(0) & jog,(e, +——+ ) .
(©) & Joc e, jog, Z:':11+j(m:i
The parametric model of the parallel admittance
Y(w) given in (16) can be easily synthesized with Foster
Il circuit synthetization method as an RC ladder network.
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The method is given in (17):

ﬂ:Y{,@+\_(—°+Z:_"71 - LS a7
Jo jo = jo+o,
Where Y, is the parallel capacitance, Y, is the parallel

conductance and ]w% term is the pole introduced by a

parallel admittance of a series RC branch. Using the
relation given in (17) transmission line model of the
tissues based on Debye parametric model can be
generated as in Fig. 3. Here the number of Debye poles
is three. Moreover, the relation between the synthesized
parallel admittance and Debye parameters are given in
Table 5.
¥

w D
A

x D
o7
v

al,

—Al
dx

Fig. 3. 2D transmission line model based on Debye
parametric model.

Table 5: Equivalence between parameters of transmission
line in Fig. 3 versus Debye parameters

TLM Parameters EM Field/Debye Parameters

L (H/m) TN u (kgm/s?/A?)

2Y,, (F/m) > €008 (S*A?/kg/m?®)

2Y, (1//m) | < o, (1/9/m)

A
2K, (1/Q/m) | o 8"1—51 (s*AZkg/m?)
1

2K, (1/Q/m) | o % (s*A2/kg/m?)
2K, (1/0/m) | o % (s*AZlkg/m?)
o (1/F) | o ll (1/s)
a, (1/QF) | o i (1/s)
as (1/QF) | o 13 (1/s)
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Although the computational complexity of Debye
parametric model is lower, its biggest drawback is it
cannot describe complex permittivity of a medium very
accurately [36]. In their study, Salahuddin et al. [37],
Debye parametric model is optimized for 500MHz and
20GHz frequency range to reduce the error introduced
by the model.

Debye parameters given in [37] is used for analysing
EM distribution in the human eye problem for 700MHz
and 42GHz frequency range. However, some of the
frequencies of interest in this study are out of the
frequency range given in [37]. Maximum deviation error
is for the conductivities of the tissues is about 7% and for
the relative permittivity is about 3%. This will introduce
a computational error. However, it can be said that the
error is negligible since the electric field magnitude at
these higher frequencies of interest, as it can be seen
in Fig. 8, is almost zero. The Debye parameters for the
ocular tissues are given in Table 6.

Table 6: Debye parameter values of the ocular tissues
[37]

. T T, T3

Tissue| €, | 05 | Agq | Ag, | Agg ips] | [ps] | [ps]
a 8 1 | 100 | 48.4|11.2 |674.8|7.111|20.94
c 83/08[39.2|621| 6.5 |8.066| 1200 | 40.11
i 88 /07493 | 41 |11.6 [40.11|7.549|769.1
| 6.3/06| 24 | 83 |30.1|153.1|19.27|6.822
s 8 [09]39.7] 4 6.5 | 7.73 | 260.1 | 29.49
v 65| 1 | 100 | 57.6 | 54 | 1259 | 7.362|21.71

*a: aqueous humor, c: cornea, i: iris, I: lens, s: sclera, v: vitreous humor.

B. TLM for bioheat transfer

Bioheat transfer in the human eye is calculated with
Klinger’s model, a continuum model of Pennes’ model,
in which the effect of non-unidirectional blood flow
is taken into consideration [38]. It can also model
noncompressible fluid flow in the tissues such as the
flow in aqueous humor. Klinger’s model can be described
as:

p.C, %HQCT)EVT =k VT +0,C,(T,-T)+Q. (18)

Where p; is density of tissue (kg/m?), Cr specific heat
capacity of tissue (Ws/kg/K), T is temperature (K), t is
time (s), i is the velocity vector (m/s), ky is thermal
conductivity of tissue (W /m/K), w,, is blood perfusion
rate (kg/m3/s), C, is specific heat capacity of blood
(Ws/kg/K), T, is the initial temperature value of blood
(K) and @ is the sum of metabolic heat generation rate
and the electromagnetic power density absorbed by the
tissues (W /m?3). (18) can be rearranged as:
ver PG T BC) jor @G 71y Q4
k; ot & & &
Bioheat transfer problem can also be solved with
TLM method [13, 39]. For this, transmission line model
shown in Fig. 4 is used.
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In the literature, the studies on solving bioheat
transfer problems with TLM method often ignore the
effects of noncompressible fluid flow in the tissues. In
some cases, this may lead to small spatial errors on the
distribution of temperature at tissues. To cope with this
drawback, transmission line model for solving bioheat
transfer problems is modified by adding dependent
voltage sources as shown in Fig. 4. Hence, the modified
transmission line model can reduce the spatial temperature
distribution errors.

If the circuit analysis for the circuit shown Fig. 4 is
performed as in the previous section, the following
equation is obtained:

VA = 2LCaat—2\2/+2(LG+ RC)%+2RGV

2a, 0V 28, oV (20)
- 47

Al ox Al ay Al at Al

Here R, L, C and G are resistance, inductance, capacitance
and conductance per meter of the transmission line
respectively, Al is the unit length of the transmission line
in the both x and y axis, and the value a, and a,, are the
gain of the voltage controlled voltage sources. If the
value of L is taken as 0 (or wL « R) the following is
obtained:

2a
v —2rRc Y opoy + 2NV A VLR
ot Al 8x

Al oy Al

. (21)

)
A

Fig. 4. Transmission line model for bioheat transfer.

As it can be seen in (19) and (21) that their solutions
are mathematically equivalent with:

VT, 2RC o IS 2rG o @

r k (22)
2a, , pCr 2a, pC IR, oCT,+Q
ACTK Y AT ArTYT

T T T
The value of lumped elements and sources in Fig. 4 can
be calculated as:
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S oAl S AR
C(—)pTCTAI,aX<—>4kT o Al ,ay<—)4kT o,Al%,

G & 0,C Al I <> 2(0,C,T, +Q)AIZ.

(23)
R« i
2k Al
Thermal properties of the tissues are given in Table 7.

Table 7: Thermal properties of the tissues [30]

Tissue Pr Cr kT Qmet Wp
a 9938 | 3997 | 0.58 - -
c 1062 | 3615 | 0.54 - -
i 1091 | 3421 | 0.50 | 43899 | 32.3
I 1076 | 3133 | 0.43 - -
s 1032 | 4200 | 0.58 | 6073 | 6.74
v 1005 | 4047 | 0.59 - -

*a: aqueous humor, c: cornea, i: iris, I: lens, s: sclera, v: vitreous humor.

1. SIMULATION AND RESULTS
Simulations are performed for a far field radiation
and the power density of the incoming electric field is
assumed as the top of the general public exposure limit
of ICNIRP (International Commission on Non-Ionizing
Radiation Protection) guideline. The limits are given in
Table 8 for the 5G frequencies used in the study.

Table 8: Reference level for general public exposure of

EM field [40
Frequency | E Field RMS Plane Wave Power
(GHz) | Strength (V/m) | Density (mW /cm?)
0.7 36 0.35
3.6 61 1
26 61 1
32 61 1
42 61 1

In the TLM based simulation, the proposed
transmission line model based on three-term Debye
parameters is used. In the TLM simulation, all the
electric field distribution results obtained with a single
simulation run for the frequencies of interest. Moreover,
the lumped element values of the proposed transmission
line are calculated from Debye parameters given in Table
6 in accordance with the equivalence given in Table 5.
On the other hand, FEM based simulations are carried
out by the number the frequencies of interest, even
though FEM based simulation supports the parametric
model of the tissues. The reason for this is that the FEM
based simulations are carried out for comparison and in
these simulations dielectric properties of the tissues
given in [30] are used.

The simulation setup is shown in Fig. 5. In both EM
and bioheat transfer problems, a square TLM mesh is
used. The size of the mesh is 0.3mm X 0.3mm. A 2D
TLM consists of two transmission line in each direction.
Hence, the spatial resolution in each direction is the half
of the side length of the square mesh. Since a 2D TLM

shunt node is used in the problems, the spatial resolution
is 0.15mm and this resolution value is less than a tenth
of wavelengths given in Tables 2 and 3, hence, it can
be said that the spatial resolution is much lesser than
wavelength in all EM and bioheat transfer problems.

In the simulation setup, cornea has a boundary with
air medium while sclera has a boundary with head. The
rest of the air and head medium in Fig. 5 are truncated
with matched boundary condition as described in [29] for
the electric field distribution calculation. The impedance
connected at the matched boundary is chosen to be equal
to the characteristic impedance of the medium. The region
labelled as air in Fig. 5 is truncated with impedance that
equals to the characteristic impedance of air and the
region labelled as head in Fig. 5 is truncated with
impedance that equals to the characteristic impedance of
head tissue. The dielectric properties of the head tissue
are taken as the average of that of white and gray matter
as in [41].

> —
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Fig. 5. Simulation setup.

Since the field considered to be come at right angles,
the matched boundary condition will give good results
with low computational complexity [29]. The circuit
representation of matched boundary condition is given in
Fig. 6.
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Fig. 6. Circuit representation of matched boundary
condition.
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The reflection coefficient at the boundary is
calculated as follows:
= Zigad —Zn _ Zy =2y -0. (24)
ZLoad + ZTL ZTL + ZTL
For bioheat transfer problem convection boundary
condition is used. The convection boundary condition is
described as:

oT
—kTﬁzh(T -T.). (25)

Here h (W/m?/K) is the heat transfer coefficient
between two region and T, (K) is the temperature at
the boundary. In Fig. 7, the resistance R is used to model
the heat transfer coefficient and the voltage source V; is
used to model the temperature at the boundary and their
relations can be found in [42] and are given in (26):

1
h VTR (26)

Convection boundary is considered for two different
boundaries. First one is the boundary between air and
cornea and the second one is between sclera and head
regions. The heat transfer coefficients for these boundaries
are taken as in [43]. Also, the ambient temperature is
taken as 25°C and the body temperature is taken as 37°C.
The convection boundary in TLM is used as described in
[42] and shown in Fig. 7.

4 S
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Zyy Zry %o‘}' R
7
Y &
< 1

Fig. 7. Circuit representation of convection boundary
condition.

The electric field distribution in the human eye is
calculated with both TLM and FEM methods and their
results are given in Fig. 8. As it can be seen in the figure,
both results of TLM and FEM based electric field
distribution calculation are close to each other.

As it can be seen in Fig. 8, at the lowest frequency,
the electric field magnitude gradually decreasing as
it travels inside the human eye, but it never reaches
down to zero. For 3.6GHz frequency, the electric field
magnitude inside human eye exceeds that of incoming
field and the maxima occurs at a region between aqueous
humour and lens tissues. Electric field distribution at the
higher frequencies (26, 32 and 42GHz) can only be
observed at near the cornea and at the other part of the
eye electric field magnitude is almost zero.
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Fig. 8. Electric field distributions inside of the human eye
at 700MHz ((a) TLM - (b) FEM), 3.6GHz ((c) TLM - (d)
FEM), 26GHz ((e) TLM - (f) FEM), 32 GHz ((g) TLM -
(h) FEM) and 42 GHz ((i) TLM - (j) FEM).

Specific absorption rate (SAR) values of the ocular
tissues for the frequencies of interest are calculated
before calculation of temperature distribution in the
human eye. SAR calculated by using (27):



2
_OFms @7)
P
Here ¢ is the conductivity of tissue and p is the
density of tissue. The SAR in the human eye is calculated
by using electric field distributions obtained from TLM
and FEM based calculations and given in Fig. 9 for
both methods. At the lower frequencies (700MHz and
3.6GHz) maximum SAR value is observed at aqueous
humaor due to its higher conductivity. On the other hand,
at the higher frequencies (26GHz, 32GHz and 42GHz)
maximum SAR value observed at cornea for at these
frequencies maximum of the electric field magnitudes
are observed at the surface.

SAR (W/kg)

SAR

[
157.0

I

90.00  10.00 0.1000

Q ® o )
« z & b,
R 4
——
—_ — gz —
= = = c

ARICIOGLU, FERIKOGLU: THERMAL EFFECTS OF 5G FREQUENCY EM WAVES

(i) )

Fig. 9. SAR distributions inside of the human eye at
700MHz ((a) TLM - (b) FEM), 3.6GHz ((c) TLM - (d)
FEM), 26GHz ((e) TLM - (f) FEM), 32 GHz ((g) TLM -
(h) FEM) and 42 GHz ((i) TLM - (j) FEM).

The temperature distribution in the human eye is
also calculated with TLM method for two different
cases. In the first one, the effects of fluid dynamics in
aqueous humor are not considered while in the second
one these effects are considered. As in the electric field
distribution calculation, FEM based calculation of the
temperature distribution in the human eye is also carried
out for comparison. In the simulation, exposure time
is assumed as 30 minutes. Also, the subject of the
experiment is considered as in standing position.

The temperature rise due to exposure to EM field at
5G frequencies are given in Fig. 10 for the case where
fluid flow in agueous humor is neglected. As it can be
seen in the figure the results of TLM, and FEM based
calculations are very close to each other.

For the second case where the effects of fluid flow
in aqueous humor are considered, the temperature rise
due to exposure to EM field at 5G frequencies are given
in Fig. 11. As in the previous case, the results of TLM
and FEM based calculations are very close to each other.

As seen in Figs. 10 and 11, the highest temperature
rise occurs at 3.6GHz and the lowest one occurs at
700MHz. For the rest of the frequencies the temperature
rise decreases as the frequency increases. There are two
main reason for why the lowest temperature rise occurs
at 700MHz. The first one is the power density is at
700MHz is lower than at other frequencies and the
second one is at 700MHz tissue conductivities are the
lowest. The highest rise is observed at 3.6GHz since the
magnitude of electric field distribution is the highest at
this frequency.

When both Figs. 10 and 11 are examined, there is
a little difference between both figures in terms of
temperature rise distributions. The difference can be
easily observed at aqueous humor and its neighbour
regions. However, the maximum temperature rises in
both case at all frequencies is very close to each other.
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Fig. 10. Temperature rise distribution in the human eye
when the aqueous humor flow dynamics are neglected,
after 30 minutes exposure to EM fields at 700MHz ((a)
TLM - (b) FEM), 3.6GHz ((c) TLM - (d) FEM), 26GHz

((e) TLM - (f) FEM), 32 GHz ((g) TLM - (h) FEM) and
42 GHz ((i) TLM - (j) FEM).
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Fig. 11. Temperature rise distribution in the human eye
when the aqueous humor flow dynamics are considered,
after 30 minutes exposure to EM fields at 700MHz ((a)
TLM - (b) FEM), 3.6GHz ((c) TLM - (d) FEM), 26GHz

() TLM - (f) FEM), 32 GHz ((g) TLM - (h) FEM)
and 42 GHz ((i) TLM - (j) FEM).




Since the effect of the aqueous humor (AH) flow
dynamics on temperature rise distribution is not very
apparent from Figs. 10 and 11, temperature rise
distributions in the neighbourhood of aqueous humor at
3.6 GHz for both FEM and TLM methods are given in
Fig. 12.

A°C
D .
0.670 0.547 0.423 0.300

(a) (b)
(c) (d)
Fig. 12. Temperature rise distribution in the human eye
after 30 minutes exposure to EM fields at 3.6 GHz (a)

TLM without AH flow, (b) TLM with AH flow, (c) FEM
without AH flow, and (d) FEM with AH flow.

1V. CONCLUSION

In this work, calculation of electric field distribution
in human eye and temperature rise due to exposure to
electric field is carried with TLM method. Temperature
increase is calculated with Klinger’s bioheat transfer
equation for 30 minutes exposure for a standing person.
Moreover, both electric field distribution and its
resultant temperature increase in human eye is calculated

ARICIOGLU, FERIKOGLU: THERMAL EFFECTS OF 5G FREQUENCY EM WAVES

with FEM method. The all results of TLM based
calculations are consistent with that of FEM based
calculations.

From temperature rise point of view, Bernardi et al.
[4] defined the temperature rise limits as 0.3°C for lens
and 1°C for cornea tissue. These temperature limits are
a tenth of the temperatures at which thermal damage
(cataract) to the eye can occur. For all the frequencies
this limit is not exceeded in both cases except at 3.6GHz.
At this frequency the maximum temperature rise on the
cornea is 0.65°C, which is below the limit, while the
maximum temperature rise at the lens is around 0.5°C
that its thermal effect may not be neglected and is needed
to be investigated further.
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Abstract — High quality factor bandpass filters based
on a number of cascaded resonators of dual-resonance
mechanism are proposed in the present paper. Each
resonator is constructed as two overlapped coplanar
waveguide (CPW) resonant structures. The cascaded
resonators mediate microwave coupling between two
isolated corner-shaped CPW feeders only at the resonant
frequencies leading to a bandpass filter of high quality
factor. The two resonant frequencies and the separation
between them can be fine-tuned by the dimensions of
the structure. The effects of the dimensional parameters
of the resonator and the feeding CPW regions on the
resonant frequencies and the performance of the
bandpass filter are investigated. The effect of the loss
tangent of the dielectric substrate material on the quality
factors at the two resonant frequencies is studied. Three
prototypes of the proposed filter are fabricated and
experimentally studied for more understanding of the
underlying physical principles of operation and for
verifying some of the simulation results. The experimental
results show good agreement when compared with the
corresponding simulation results. It is shown that, at low
enough absolute temperature, the proposed structure can
operate as superconducting microwave resonator when
made from the appropriate materials. Also, it is shown
that an optimized design of the proposed bandpass filter,
based on superconducting CPWR structure, can achieve
quality factors high enough to form a quantum data bus
for hybrid architecture of quantum information systems.

Index Terms — Band-pass filter, dual-band filter, high-
Q filter.

I. INTRODUCTION
A coplanar waveguide (CPW) has the principal
advantage that the signal line and the signal grounds are
placed on the same substrate surface. This eliminates the
need for via holes and, thereby, simplifies the circuit
fabrication. Moreover, this allows simple connection of
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series as well as shunt components [1]. Another main
advantage of the CPW is that it exhibits lower conductor
loss than microstrip lines [2], [3]. CPW parameters are
not sensitive to the substrate thickness, and a wide range
of impedance is achievable on reasonably thick substrates.
Also, circuits can be built using both the odd and the even
CPW modes [4]. Moreover, CPWSs are open structures,
and do not require metallic enclosures [4].

CPW resonators have their distributed element
construction avoiding uncontrolled stray inductances
and capacitances, and, thereby, have better microwave
properties than lumped element resonators [5]. Another
advantage of CPW structures practically arises when
performing microwave measurements; that is a series
of CPW resonators with different frequencies can be
measured using a single feed line, which greatly simplifies
the measurement process [6].

The end-coupled and edge-coupled CPW resonator
structures are commonly used for microwave and
millimeter-wave filter design [7]. In end-coupled
resonators, the interchange of energy with the coupling
gap may be insufficient, even when very narrow gaps are
employed. Due to this reason parallel- or edge-coupled
CPWRs are more commonly used than end-coupled
CPWRs [7]. Planar structures based on the edge-coupled
CPW have been developed as circuit elements for
monolithic microwave integrated circuits (MMIC’s) [8].

Due to their practical importance, microwave and
millimeter-wave bandpass filter design based on CPWRs
has attracted the attention of many research works. In
[1], the design of high-quality bandpass filter employing
shunt inductively coupled CPW resonators is introduced
and shown to exhibit low radiation loss due to the
removal of the capacitively coupled gaps encountered in
bandpass filter employing end or edge coupled CPW
resonators. In [9], a cross-coupled CPW structure design
is proposed for bandpass filter, which is constructed by
cascading several sections of quarter wavelength open-
end series stubs. In [10] and [11], compact edge-coupled

https://doi.org/10.47037/2020.ACES.J.360405
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CPW bandpass filter designs are proposed for operation
at microwave and millimeter-wave frequencies.

Superconducting CPWRs with large internal quality
factors of typically several hundred thousand can be
routinely realized [5]. Such resonators find a wide range
of applications as radiation detectors in the optical,
ultraviolet, and x-ray frequency range, in parametric
amplifiers, for magnetic field tunable resonators and to
act as quantum data bus for superconducting qubits [6],
[5].

The present work proposes a design of a bandpass
filter of high quality factor. The proposed filter is
constructed as two feeding CPW regions which are
parallel-coupled (or edge-coupled) to a CPW resonating
structure. As long as the operating frequency is far from
the resonant frequencies of the CPW resonating structure,
the feeding CPW regions are isolated from each other
preventing any possible power transfer from one port of
the filter to the other. Only at the resonant frequencies
the feeding CPW regions are coupled to each other via
the CPW resonating structure and, thereby, allowing
power transfer between the filter ports. Some prototypes
of the proposed filter are fabricated and experimentally
studied for more understanding of the underlying
physical principles of operation and for verifying some
of the simulation results. The experimental results show
good agreement when compared with the corresponding
simulation results. Near zero-Kelvin absolute temperature,
the proposed structure can operate as superconducting
microwave resonator when made from the appropriate
materials, where a quality factor high enough to form a
quantum data bus for hybrid architecture of quantum
information systems can be achieved.

I1. PROPOSED BANDPASS FILTER
DESIGNS

The proposed bandpass filter has the sketch of its
geometry shown in Fig. 1 with the indicated symbolic
dimensional parameters. This filter is constructed as two
feeding (normally isolated) corner-shaped CPW regions
which are (capacitively) parallel-coupled (at resonance)
to the dual-resonant CPW structure. The design of higher-
order BPF for each pass-band can be based on using
cascaded resonators to mediate coupling between the
isolated CPW feeding regions as shown in Fig. 1 (a).

For the design shown in Fig. 2, the dual-resonator
structure can be considered as composed of two
overlapped resonators. One of them is a half-wavelength
CPWR, which is short-circuited at its both ends and
forms the perimeter of U-shape. The other resonator is a
straight CPWR of relatively wide central conductor
formed by the area subtended between the arms of the U-
shape. This CPWR is open-circuited at the base of the U-
shape and short-circuited at the other end (top of the U-
shape) and, thus forms a quarter-wavelength resonator.
As long as the operating frequency is far from the

resonant frequencies of the dual CPWR structure, the
corner-shaped CPW feeding regions are isolated from
each other leading to zero power transfer between the
filter ports (1) and (2). Only at the resonant frequencies,
the CPW feeders are parallel-coupled to the dual-resonant
CPW structure and, hence, the power transfer can occur
only at these frequencies leading to high-quality factor
bandpass filter response.

«1>

(s

¥
Resonator N
Resonator 2
Resonator 1

Fig. 1. Schematic of the proposed design for high
quality-factor dual-band BPF: (a) Higher-order BPF
based on cascaded CPW resonators, and (b) dimensional
parameters.

A dual-bandpass filter design is shown in Fig. 3,
which can be considered as a modification of the filter
design shown in Fig. 2. The difference is a gap made in
the central conductor of the short-ended CPW region
forming the perimeter of the U-shape. The gap divides
the U-shaped CPW region into two symmetric CPW
regions of mirrored-L shape; each of them is short-
circuited at one end and open-circuited at the other end
and, thus, forming two identical quarter-wavelength
resonators.

A single-bandpass filter design is shown in Fig. 4.
This design can be considered as a modification of the
design shown in Fig. 3 by making two other gaps; each
gap is cut in one of the central conductors of the two
quarter-wavelength resonators forming the mirrored-L
shape. The purpose of these gaps is to diminish or damp
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the resonance of the two quarter-wavelength CPW
resonators forming the mirrored-L so as to get the new
design working as a high-quality-factor single-bandpass
filter.

Short-circuit
termination

Nt

O «

HalfFwavelength |
CPW Resonator

(a) The first resonant mechanism
(Lower pass band)

Short-circuit
termination

=

O «
=

Quarter-wavelength|
CPW Resonator c} Open-circuit |
y termination
(b) The second resonant mechanism
(Upper pass band)

Fig. 2. Mechanisms of resonance in the proposed
bandpass filter based on dual-CPWR structure.

I1l. THEORETICAL BASIS OF OPERATION

For simplified analysis of the proposed bandpass
filter designs, simple configurations of end-coupled
CPWRs are considered. The simplest method to create a
CPWR is to make a gap in the central conductor as
shown in Fig. 5 (a) or to short the central conductor to
the side (ground) conductors as shown in Fig. 5 (b). The
gap can be considered as a series capacitance C, between
the central conductor of the feeder waveguide region
and the central conductor of the resonator. The short
constitutes a shunt inductance L, between the central
conductor and the side ground conductors. Both
configurations result in half-wavelength resonator over
which the standing wave has the current and voltage
distributions as those shown in Fig. 5 (a) and 5 (b). A
third configuration of transmission line resonators is to
terminate a CPW region by a series gap at one of its ends
and to terminate the other end by a shunt short as shown
in Fig. 5 (c). This creates a quarter-wavelength resonator
in which a standing wave exists with the voltage and
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current distributions presented in the same figure. The
CPW region between the two shorts, the two gaps, or the
gap and short has a length [, and constitutes a CPWR
which is end-coupled to the main feeder through the
terminating gaps or shorts. The gap terminations create
capacitive coupling between the CPW feeder and the
CPWR, whereas the short terminations create inductive
coupling.

For half-wavelength transmission line resonators,
the resonant frequencies can be expressed as follows
[12]:

n(l/Z) =, nc /2l fgreff n=12,.. (1-a)

where c is the velocity of light in free space, n is the
mode order, and Erors is the effective dielectric constant
of the quasi-TEM mode of the CPW. For the quarter-
wavelength transmission line resonators, the resonant
frequencies can be expressed as follows:

1/4
£ = 2n-1) ¢/l ’ereff, n=12,..

The effective dielectric constant of the quasi-TEM mode
of the CPW can be expressed as follows [13]:

(1-b)

Ererf ) . )
=1+¢ —1/2 K(ko)/K (ko) K(ky)/K(ky),
where ¢, is the dielectric constant of the substrate

material and K denotes the complete elliptic integral of
the first kind, which is defined as follows:

K(k) = j 7d9/\/1 — k sin?2 6 3)
0

The arguments, kq, ko, kq, and k,, of K are defined as
follows:

k0=S/S+2W, ]%0= ’1_k(2), k1

= sinh(ms/4h) /sinh[n(s + 2w)/4h], k,  (4)

P

where s is the width of the central conductor, w is the
width of each slot, and h is the height of the dielectric
substrate. The characteristic impedance of the quasi-
TEM mode of the CPW is expressed as follows [13]:

Zo =307/ [er,., K(k)/K(ke).  (5)

A. Estimation of the quality factor of the bandpass
filter

Two types of U-shaped CPWR which are parallel
edge-coupled to the L-shaped CPW feeder are shown
in Fig. 3. Definitely, the edge coupling between the
resonator and the feeding CPW regions has the
capacitive coupling effect as regards the external loading
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on the resonator. As a consequence, the resonance
frequency can be shifted due to the reactive coupling as
part of the energy is stored in the electric field of the
coupling capacitance. Besides, due to such capacitive
coupling, the resultant (loaded) quality factor (Q;) is
decreased as the edge coupling to the feeding transmission
lines can be considered as a loss channel. The coupling
(external) quality factor Q., which is related to the edge
(capacitive) coupling between the resonator and the
feeder, dominates the resultant (loaded) quality factor.
Thus, the total quality factor can be evaluated through
the following relation:
1/Q,=1/Q,+1/Q., (6)

where, Q,, is the self or internal (unloaded) quality factor
of the CPWR without being coupled to the feeding
transmission line.

Shert-circurt
termination

A

S
& Q)

Quartar- ﬂ | Q::J Guarter-
wavelengti | wavelengti
CPWR CPWR
(‘.*.'D

Open-circurt
termination

Fig. 3. Dual-bandpass filter based on two mirrored-L-
shaped quarter-wavelength resonators subtending and
overlapping with a third straight quarter-wavelength
resonator.

B. Unloaded quality factor of the half-wavelength
CPWR on the perimeter of the U-shape

For the bandpass filter design shown in Fig. 2, the
CPW region forming the perimeter of the U-Shape can be
considered a short-circuited half-wavelength transmission
line resonator. As shown in [14], the unloaded quality
factor of both short-circuited and open-circuited half-
wavelength CPWR, the quality factor can be expressed
as follows:

Qu = n/zalRl = BO Sreff/za
2
()

= w, ereff/an,

where, lR1/z is the length of the half-wavelength

resonator, f3, is the free space wave number, w, is the
resonant angular frequency, « is the attenuation constant
of the CPW, and Erors is given by (2).

Short-circuit
termination

T

Gap 2 (I=€) G:: Gap 3|
Quarter- /
wavelength
CPWR
Open-circuit Gl

termination

Fig. 4. Single-bandpass filter based on a single quarter-
wavelength resonator.

C. Unloaded quality factor of the quarter-wavelength
CPWR subtended between the arms of the U-shape

As mentioned in Section |1, the CPW region whose
center conductor is subtended between the arms of the
U-Shape shown in Fig. 2 is open-circuited at one end
and short-circuited at the other end and, hence, it can be
considered as quarter-wavelength resonator. As shown in
[14], a short-circuited quarter-wavelength transmission
line has the same expression as (7) for the unloaded
quality factor. For open-circuited quarter-wavelength
transmission line, the input impedance can be calculated
as follows:

Zin = Zytanhal — jcotBl/1 —jtanhalcotBl.  (8)

Let w = wy + Aw, and assume [ = lR1/4 =1/4 at
wy, hence, near the resonance for a TEM line:
ﬁlz[)’lRl/4=ﬂ/2+7r/2Aw/w0. 9)
Thus,
cot,[?lRl/4 =—tann/2 Aw/w,. (10)

For low-loss quarter-wavelength transmission line
resonator near resonance, olel/4 K 1,and Aw/wy K 1,

hence,

cotBlg,,, = —n/2Aw/w,, tanh alR% ~ alR%. (11)

Substituting from (11) into (8), the expression of Z;,
is reduced to:

ZinZo al + ] /2 Aw/wo/1+ Jal /2 Aw/wy.  (12)

For low loss CPWR in a narrow frequency band
around the resonance, one has alAw/w, < 1 and, hence
the expression (12) can be reduced to take the following
form:
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Zin = Zo(al + ] /2 Aw/wyg). 13)

For a resonant series RLC circuit, w, = 1/vVLC and,
in a narrow frequency band around the resonance, the
circuit impedance can be expressed as follows [14]:

Z=R+j2L Aw. (14)
By comparison between (13) and (14) one finds,
R = Zyal, L=2Zyn/4w,, (15)

C=1/wil = 4/nZ,w,.
Also, for series RLC resonant circuit, the quality
factor can be expressed as follows [14]:

QRLC = woL/R = 1/0)0RC (16)
Making use of (15) and (16), the unloaded quality

factor of an open-circuited quarter-wavelength CPWR
can be expressed as follows:

Qu= 7T/4alR1/4 =p/2a = p, Ereff/za
17
= w, ereff/an,

where, S, is the wavenumber of free space. In general,
for low loss transmission line:

Zy =+ Lr/Cr, a

~1/2(Rr/Zy + GrZy), (18)

B = \/LTCT ,

where, Ry, Ly, Cr, and G; are, respectively, the
resistance, inductance, capacitance and conductance per
unit length of the lumped-element circuit model of the
transmission line.

IV. RESULTS AND DISCUSSIONS

In the present section, both the numerical results
obtained by simulation and the experimental results
obtained by microwave measurements of the fabricated
bandpass filter prototypes are presented, discussed and
compared for the purpose of arriving at accurate
performance assessment and understanding of the
resonance mechanisms underlying the filter operation.

It should be noted that the following presentations
and discussions of numerical and experimental results are
concerned with a dual bandpass filter as that shown in Fig.
2 designed with the following dimensional parameters,
unless otherwise stated: s = s, = 0.1 mm, w = wy =
0.2 mm, W, = 2.4 mm, L, = 26 mm, Ly = 10.3 mm,
D = 0.35 mm, and L = 10.4 mm. The substrate material
has dielectric constant &, = 3.38, and height h = 0.2 mm.
The metal strips and ground are made of copper and have
conductivity o = 5.6 X 10”S/m. It should be noted that
other materials are assumed when presenting the results
concerned with filters designs based on superconducting
CPWR which is indicated during the discussions.
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Fig. 5. Different regimes of CPW resonators: (a) open-
ended, half-wavelength CPWR, (b) short-ended half-
wavelength CPWR, and (c) open/short-ended quarter-
wavelength CPWR.

A. Performance comparison of multi-resonator BPF

This section is dedicated for the performance
comparison of cascaded dual-band BPF employing single,
double, and triple resonators arranged as shown in Fig.
1 (a). The design dimensions are w = 0.4 mm, L, =
153 mm, L =14mm, Lf =4.4mm, s; = 0.5mm,
wp = 0.4 mm, W, = Imm,D = 0.2 mm, Dr = 0.1mm.
The frequency response of the transmission coefficient
of the first band centered at 2.02 GHz for the BPF
composed of one, two, and three resonators is plotted in
Fig. 6. It is clear in the figure that the design of the
BPF constructed from single dual-band resonator has a
sharp behavior and narrower bandwidth than the designs
employing double and triple resonators. The quality
factor is also higher for a BPF with single resonator. For
this reason, the next discussions will deal with the results
of performance assessment of BPF composed of only
single resonator.

B. Frequency response of bandpass filter based on
half-wavelength CPWR of U-shape
The frequency response of the transmission
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coefficients |S,,| of the proposed dual bandpass filter
having the same design as that shown in Fig. 2, under the
assumption of perfect conductor and lossless dielectric
substrate, is presented in Fig. 7. The frequency response
exhibits two sharp peaks: the first peak is at f =
1.9405 GHz , with quality factor @ = 6130, whereas the
second peak is at f = 2.169 GHz, with quality factor
Q = 1000. The mechanisms of resonance leading to these
values of the resonant frequencies and the corresponding
quality factors are explained in the following subsection.

The two corner-shaped CPW regions of the main
feeder are coupled to each other only at the resonances
of each of the two CPW resonators formed by the U-
shape as mentioned above. The frequency response of
the filter transfer function has two sharp peaks as shown
in Fig. 7. The first peak corresponds to the first resonance
of the half-wavelength CPW resonator on the perimeter
of the U-shape which is short-circuited terminated at
its both ends. The second peak corresponds to the first
resonance of the quarter-wavelength CPW resonator
whose central conductor is the area subtended between
the arms of the U-shape. The side (ground) conductors
for this CPW are actually the central conductor of the
CPW on the perimeter of the U-shape mentioned above.
As shown in the sketch of the geometry presented in Fig.
2, these side conductors have much narrower width in
comparison to the width of the central conductor. This
resonator is open circuit terminated at the base of the U-
shape and is short-circuit terminated at the other end.
This is more elaborated showing illustrations of the
current and field distributions on the resonator in the
following two subsections.

----Single Resonator
——Double Resonator
- - Triple Resonator

18,1 (dB)

1
\
1

_ i i i 1 £
1.5 1.6 1.7 1.8 1.9 2 21 22 23 24 25
Frequency (GHz)

Fig. 6. [S,, ]| for the first band of cascaded dual-band BPF
designed with one, two, and three resonators.

B.1. Mechanism of resonance in the lower pass Band

At the lower resonant frequency (1.9405 GHz) of
the short-circuit-terminated CPWR formed by the
perimeter of the U-shape, the surface current distribution
is presented in Fig. 8. It is shown that, like a short-ended
half-wavelength resonator, as explained in Section Il

and illustrated in Fig. 5 (b), the current has its maximum
magnitude at the short-circuited terminals of the resonator
whereas the current node of the standing wave is at the
middle of the resonator length. The electric field
distribution in the slots of this CPW is presented in Fig.
8 which exhibits the behaviour of the (even) quasi-TEM
mode of the CPW formed by the arms of the U-shape. As
this CPW region is a half-wavelength resonator whose
total length is 55.2 mm, the resonant frequency can be

calculated using (1-a), which gives £/* = 1.914 GHz.
The slight deviation of the resonant frequency obtained
by simulation from the theoretical value given by (1-a)
can be attributed to the reactive load resulting from
coupling the CPW feeder to the CPWR as part of the
energy is stored in the electric field of the coupling
capacitance and, thereby causing a shift of the resonant
frequency . Moreover, a part of the frequency shift can
be attributed to the error of the approximate analytic
formula for Erers given by (2).

-0
Half-wavelength
CPW Resonator

Quarter-wavelength
CPW Resonator

i i i { i i i i i
13 1.85 19 1.85 2 205 21 215 22 225 23
Frequency (GHz)

Fig. 7. Frequency response of the bandpass filter (with
the design shown in Fig. 2) based on half-wave length
CPWR with U shape subtending another quarter-
wavelength CPWR.
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Fig. 8. Surface current on the conductors and electric
field distribution in the slots at the resonant frequency
corresponding to the short-circuit terminated half-
wavelength CPW resonator, f = 1.9405 GHz.
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B.2. Mechanism of resonance in the upper pass band

At the higher resonant frequency (2.169 GHz) of the
CPWR whose central conductor is the region subtended
between the arms of the U-shape, the surface current
distribution is presented in Fig. 9. This CPW region is
open-circuit terminated at the base of the U-shape and is
short-circuit terminated at its other end. It is shown that,
like a quarter-wavelength resonator, as explained in
Section Il and illustrated in Fig. 5 (c), the current has
its maximum magnitude at the short-circuit terminal
whereas the current node is at its open-circuit terminal.
As this CPW region is a quarter-wavelength resonator
whose length is 26.0 mm, the resonant frequency can be

calculated using (1-b), which gives £,/* = 2.311 GHz.
In addition to the approximation error of the analytical
formula given by (2) for Eroppr the slight deviation of

the resonant frequency obtained by simulation from the
theoretical value given by (1-b) can be attributed to the
reactive load resulting from coupling the CPW feeder to
the CPWR as part of the energy is stored in the electric
field of the coupling capacitance and, thereby causing a
shift of the resonant frequency.

C. Frequency response of BPF based on quarter-
wavelength CPWR with mirrored-L shape

For the bandpass filter design shown in Fig. 3, which
is based on two identical quarter-wavelength CPWRs
forming a Mirrored-L shape, the corresponding frequency
response of the transmission coefficient, |S,,|, of a
lossless filter is shown in Fig. 10. By comparison to the
bandpass filter of the design shown in Fig. 2, whose
frequency response is presented in Fig. 7, it is shown that
their frequency responses of the transmission coefficients
seem to be identical. However, this is not actually true as
the quality factor at the lower frequency band for the
filter design based on two quarter-wavelength resonators
concerned in this section is Q = 14,300, which is much
higher than that obtained by the filter design shown in
Fig. 2 whose quality factor is Q = 6,130 as presented in
Section IV.A. Also, the quality factor for the upper pass
band is improved from @ = 1,000 for the old design
to Q = 1,100 for the new design. The results for
comparison between the two designs are presented in
Table 1. Thus, the main advantage of the gap made in the
central conductor at the middle of the base of the U-
shape is the considerable improvement of the quality
factor especially for the lower pass band.

D. Effect of dielectric losses on the performance of the
bandpass filter based on CPWR

It is well-known that the quality factor of a resonant
structure is reduced with increasing the losses. The
purpose of the present section is the quantitative
assessment of dependence of the quality factor of the
proposed bandpass filter on the dielectric losses of the
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substrate material.
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Fig. 9. Surface current on the conductors and electric
field distribution in the slots of the CPWR at the resonant
frequency corresponding the quarter-wavelength CPWR
subtended between the arms of the U-shape, f =
2.169 GHz.

Table 1: Comparison between the resonant frequencies
and quality factors of the bandpass filter designs shown
in Fig. 2 and Fig. 3

Lower Pass Band

Upper Pass Band

Base of
Resonance fo

¢ Regime (GHz) ¢

Resonance fo

U-shape !
Regime (GHz)

Solid | 1/2-Wavelength |1.9405( 6130 | 1/4-Wavelength | 1.1695 | 1000

Slotted | 1/4-Wavelength |1.9404 14300 | 1/4-Wavelength | 1.1697 | 1100

0 T i T T N

Straigit
Quarter-wavelength
CPW Resonator

Mirrored-L-shaped
Quarter-wavelength
20 - cPW Resonator

50 f . . ; I ; . ; .
18 18 19 195 2 205 21 215 22 2325 123

Freguency (GHz)

Fig. 10. Frequency response of the bandpass filter (with
the design shown in Fig. 3 based on two identical quarter-
wavelength CPWRs forming a mirrored-L shape.

D.1. Effect of dielectric loss on the quality factor of
the half-wavelength CPWR with U-shape

The effects of the losses of the dielectric substrate
on the filter response at the lower and higher frequency
pass bands are presented in Fig. 11. It is shown that, for
the lower and upper bands, the peak of |S,, | is decreased,
the bandwidth is increased and, consequently, the quality
factor is significantly decreased with increasing the loss
tangent (tan § =~ &) of the substrate material. Generally,
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the bandpass performance is considerably degraded with
increasing the dielectric losses. Due to its higher quality
factor, the lower frequency pass band is considerably
more affected by the dielectric loss than the higher
frequency pass band.

D.2. Effect of dielectric loss on the quality factor of
the quarter-wavelength CPWR with mirrored-L shape

The higher the quality-factor of a resonator, the
worse the effect of losses on the frequency response of
its transfer function. As discussed in Section IV-C, the
bandpass filter employing a quarter-wavelength CPWR
with mirrored-L shape has a considerably higher quality
factor than that of the bandpass filter employing half-
wavelength U-shaped CPWR. As a consequence, the
quality factor of the former bandpass filter is more badly
affected by the dielectric losses. This may be more clear
when investigating the frequency response of the of the
transmission coefficients |S,,| for this filter which is
presented in Fig. 12.

D.3. Comparison between the effects of dielectric loss
on the quality factors of single half-wavelength and
double quarter-wavelength resonators

The dependence of the quality factor on the
dielectric loss tangent of the substrate material for the
bandpass filter employing U-shaped half-wavelength
CPWR subtending another quarter-wavelength CPWR,
in comparison to that employing two quarter-wavelength
CPWRs of mirrored-L shape subtending a third quarter
wavelength CPWR, is presented in Fig. 13. In the lower
pass band the quality factor obtained in the case of
double quarter-wavelength resonator is much larger than
that obtained by employing single half-wavelength
resonator over the indicated range of § as shown in
Fig. 13 (a). By comparing the Q-§ relation in the lower
pass band, presented in Fig. 13 (a) to the Q-6 relation in
the upper pass band, presented in Fig. 13 (b), it becomes
clear that the quality factor rapidly decays with
increasing the loss tangent in a manner such that the
higher the quality-factor the higher the slope of decay.
Also, by comparing the slopes of the Q-5 curves for the
two pass bands it becomes clear that the decay of Q with
increasing & for the lower pass band is considerably
steeper than that of the upper pass band due to the
considerable larger value of Q in the lower pass band for
both filter designs.

E. Experimental assessment of dual-bandpass filters
based on Dual-CPWR

The purpose of the experimental work is to study
the underlying physical principles of operation and
to investigate the performance of the proposed high
quality factor bandpass filter based on dual-resonance
mechanism.
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(a) Filter response in the lower pass band
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Fig. 11. Effect of dielectric substarte loss on the
frequency response of the transmission coefficients | S, |
for the BPF based on half-waevlength CPWR with U-
shape.

E.1. Fabrication of prototypes for the proposed
bandpass filter

Three prototypes of the proposed bandpass filter are
fabricated for experimental studying of the underlying
physical principles of operation. The substrate used for
fabrication is RO4003C™, with substrate height h =
0.2 mm, dielectric constant &, = 3.38 and dielectric
loss tangent 6 = 0.0021 at 2.5 GHz. The same design
dimensions given at the beginning of section IV are
used for fabrication. A photograph of the fabricated
prototypes is presented in Fig. 14.

Prototype ‘1’ is fabricated for the bandpass filter
design shown in Fig. 2 with the dimensional parameters
given at the beginning of Section IV. This filter is
composed of a U-shaped half-wavelength CPWR
overlapping with another quarter-wavelength CPWR of
wide central conductor which is sandwiched between the
arms of the U-shape.
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The prototype 2’ is fabricated for the bandpass
filter design shown in Fig. 3. Its shape similar to that of
prototype ‘1’ with a basic difference is that the single
half-wavelength U-shaped CPWR is replaced by two
identical quarter-wavelength resonators forming a shape
of mirrored-L as shown in Fig. 3. This is simply achieved
by modifying prototype ‘1’ by cutting a gap in the central
conductor at the middle point of the base of the U-shaped
CPWR. Thus, the resulting prototype 2° can be
considered as bandpass filter composed of three quarter-
wavelength CPW resonators which are parallel and
overlapped.

Prototype ‘3’ is fabricated for the bandpass filter
design shown in Fig. 4. It is made by modifying
prototype ‘2’ by etching two other gaps each gap is cut
in one of the two quarter-wavelength resonators forming
the mirrored-L of prototype ‘2°. The purpose of these gaps
is to damp or reduce the resonance of the two quarter-
wavelength CPW resonators forming the mirrored-L so
as to get prototype ‘3’ working as a high-quality-factor
single-bandpass filter.

E.2. Experimental setup

The vector network analyzed (VNA) of the Keysight
(Agilent) FieldFox N9928A is used to measure the
transmission and reflection coefficients |S,;| and |S;4],
respectively, of the bandpass filter prototype under
test. For this purpose the filter prototype is mounted on
the substrate test fixture as shown in Fig. 15 (a). After
performing the required settings and calibration
procedure, the test fixture holding the prototype under
test is connected to the VNA as shown in Fig. 15 (b).

E.3. Experimental results

It should be noted that, for the three fabricated
prototypes shown in Fig. 14, the bandpass filters have the
designs shown in Figs. 2, 3, and 4, respectively, with the
values of the design parameters given at the beginning of
Section 1V, in addition to the following dimensions for
the gaps cut in the central conductors as modifications
of the original filter design: g, = g, = 0.2 mm, d, =
1.25 mm, and d;, = 5.1 mm.

The frequency response of the transmission
coefficient of the prototype ‘1 for the proposed bandpass
filter as measured by the VNA is presented in Fig. 16 and
compared to that obtained by simulation using the
commercially available CST® software package. Both
the experimental and simulation results show that the
peak of |S,, | in the lower pass band is considerably more
decreased due to the dielectric losses than that of the
upper pass band. The experimental measurements and
simulation results show good agreement except for a
little shift of the resonant frequency of the lower band,
which is, most probably, attributed to the losses
encountered in the measurement process.
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Fig. 12. Effect of dielectric substarte loss on the
frequency response of the transmission coefficients | S, |
for the bandpass filter based on quarter-wavelength
CPWR with mirrored L-shape.

The frequency response of the transmission
coefficient of prototype ‘2° which is fabricated for a
bandpass filter employing double quarter-wavelength
CPWR subtending a third quarter-wavelength CPWR
as measured by the VNA is presented in Fig. 17 and
compared to that obtained by simulation using the CST®
software package. Both the experimental and simulation
results show that the peak of |S,, | in the lower pass band
is considerably more decreased due to the dielectric
losses than that obtained for the bandpass filter prototype
‘1’ due to the considerably higher quality factor of the
former bandpass filter. This comes in agreement with the
simulation results presented in both Figs. 11 and 12
where the quality factor of the lower frequency pass
band is shown to be more degraded due to the dielectric
loss than that of the upper pass band. Thus, both the
simulation and experimental results leads us to arrive at
the same conclusion: the higher the quality factor the
worse the effect of the dielectric loss on the bandpass
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filter response. Also, the experimental measurements
and simulation results show good agreement except for
a little shift of the resonant frequency of the lower band,
which is, most probably, attributed to the losses

encountered in the measurement process.
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Fig. 13. Comparing the dependence of the quality factor,
Q, on the dielectric loss tangent, &, for the bandpass filter
with half-wavelength CPWR of U shape to that of
the bandpass filter with two quarter-wavelength CPWRs
forming a mirrored-L shape.

The prototype ‘3’ is fabricated for a single-bandpass
filter that employs a single quarter-wavelength CPWR
and, hence, exhibits a single resonance. The frequency
responses of the transmission and reflection coefficients
|S,1| and |S;41, respectively, of this filter are presented
in Fig. 18. The measurements are achieved by the VNA
and compared to that obtained by simulation using the
CST® software package. The experimental measurements
and simulation results show good agreement. The quality
factor obtained for the fabricated prototype ‘3’ of the
proposed single-bandpass filter is Q = 102, whereas that
calculated through simulation is Q = 167. The deviation
of the measured quality factor than that calculated by
simulation is most probably attributed to the losses
encountered in the measurement process.

o
2
2
S
=
)
i
a

Fig. 14. Three fabricated prototypes for the proposed
high quality bandpass filter.

(a) The fabricated BPF mounted on the VNA test
fixture

(b) The test fixture connected to the VNA

Fig. 15. Measurement of the frequency response of the
fabricated prototypes.

F. Improvement of the quality factor of the bandpass
filter

As mentioned in the introduction of the present
paper, the high quality-factor superconducting CPWR is
required in many applications such as a quantum data
bus for hybrid quantum information systems. In this
section, some modifications of the proposed BPF design
are suggested to increase the quality factor so as to be
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valid for applications like that mentioned above when it
is fabricated form a metal that exhibits superconductivity
at achievable low Kelvin temperature and printed on a
substrate of a lossless dielectric material. Thus the dual-
resonant structure is constructed as superconductor
CPWR printed on a lossless dielectric substrate.

Expermental
- Simulated

521 (dB)

-30

-40

m
=)

16 18 2 22 24 28 28 3
Frequency (GHz)

2 14

Fig. 16. Frequency response of the transmission
coefficient |S,; | of the BPF prototype ‘1’ of the original
(No-gap) filter design.

F.1. Dual-band BPF based on open-circuited U-shaped
CPWR

It may be interesting to investigate the bandpass
filter response when the short-circuit terminations at the
ends of the CPWR formed by the perimeter of the U-
shape, presented in Fig. 2, are replaced by open-circuit
terminations. It is expected that such a replacement may
lead to a significant change of the filter response at its
lower pass band due the major change of the current
distribution along the arms of the U-shape at its resonant
frequency. As the quarter-wavelength CPWR whose
central strip is the area subtended between the arms
of the U-shape is geometrically unaffected by the
termination replacement, it is expected that the filter
response at its upper pass band will not be significantly
different from the response of the previous design in this
band of the frequency.

F.2. Comparison between short-circuited and open-
circuited U-shaped CPWR bandpass filter

A comparison between the frequency responses of
the transmission coefficients, |S,,|, for bandpass filters
employing short-ended and open-ended half-wavelength
CPW resonator of U shape is presented in Fig. 19. It is
clear that the open-circuit termination of the U-shaped
resonator results in a considerably higher quality factor
as listed in Table 2. A quality factor of 3.71 x 10* is
obtained by the open-ended superconducting CPWR
printed on a lossless dielectric substrate in the lower pass
band (about 6 times that obtained with the short-ended
CPWR). On the other hand, by comparing the frequency
responses of the filters with open-ended and short-ended
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U-shaped resonators in the upper pass band, Fig. 19 (b),
it seems that the design modification results in a slight
shift of the resonant frequency associated with a slight
reduction of the quality factor as given in Table 2.

0y

521 (dB)

12 14 16 1.8 2 22 24 26 28 3
Frequency (GHz)

Fig. 17. Frequency response of the transmission
coefficient [S,,| of the bandpass filter prototype ‘2’ of
the ‘one-gap’ design.

Table 2: Resonant frequency and quality factor of the
bandpass filter for the possible termination types of the
U-shaped CPWR

Termination Lower Pass Band | Upper Pass Band
of CPW
Resomator | oGH2) [ @ folGH2) | @
Short 1.9405 | 6.13 x 103 | 1.1695 1070
Open 1.9450 |3.71x10*| 1.1605 905

0 o

S,

-0

. 321 (Measured)
s —emeI5,, [(Measured)
E 220 [ 5, |(Simulated)
EJ |, [(Simulated) |/
S_E“ -30 /
40 i R —

O S T —

16 18 2 22 24 26 238 3

Frequency (GHz)

Fig. 18. Frequency response of the transmission and
reflection coefficients |S,;| and |S;,], respectively, of
the BPF prototype 3°.

F.3. Mechanism of resonance in the lower frequency
band for open-circuit termination

At the lower resonant frequency (1.9451 GHz) of
the open-circuit terminated CPWR on the perimeter of
the U-shape, the surface current distribution is presented
in Fig. 20. It is shown that, like an open-ended half-
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wavelength resonator as explained in Section Il and
illustrated in Fig. 5 (a), the current has its maximum
magnitude at the middle of the resonator length whereas
the current nodes of the standing wave are at the open-
end of the CPWR.

Electric field
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Fig. 19 Surface current on the conductors and electric
field distribution in the slots at the resonant frequency
corresponding the open-circuit terminated half-
wavelength CPW resonator, f = 1.9451 GHz.
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Fig. 20. Comparison between the frequency response
of the transmission coefficients |S,,| for the bandpass
filters with open-circuit and short-circuit terminated U-
shaped half-wavelength CPWRs.

A comparison of the proposed BPF with BPFs found
in literature is presented in Table 3.

Table 3: Comparison with similar works

Size (Ag X A5) | S,,1(dB) | S;41(dB)
Proposed BPF | 0.3 x 0.21 0.33 -27
[15] 0.25 x 0.25 1.3 -25
[16] 0.5 x 0.5 0.1 -25
[17] 0.75 X 0.6 0.04 -23

V1. CONCLUSION

High quality factor bandpass filter based on a
number of cascaded dual-resonance CPW resonators is
proposed. Each resonant structure is constructed as two
overlapped CPWRs. The cascaded resonators mediate
microwave coupling between two isolated CPW feeders
only at the resonant frequencies leading to a bandpass
filter of high quality factor. Each resonator has its two
resonances first-order, where the resonant frequencies
and the separation between them can be fine-tuned by the
dimensions of the structure. The current distribution on
the conducting strips and the electric field distributions
in the slots are presented to demonstrate the mechanism
of operation of the proposed bandpass filter designs. The
effects of the loss tangent of the dielectric substrate
material on the quality factors at the two resonant
frequencies are presented and discussed. Some
experimental results concerned with the frequency
response of three fabricated prototypes for three different
designs are presented showing good agreement when
compared with the corresponding simulation results. It is
shown that, at low enough temperature, the proposed
structure can operate as superconducting microwave
resonator when made from the appropriate materials.
An optimized design of the proposed bandpass filter,
based on superconducting CPWR structure, is shown to
achieve quality factors high enough to form a quantum
data bus for hybrid architecture of quantum information
systems.
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Abstract — This paper studies a fuze radome system
applied to millimeter waves. The system consists of feed
antenna, radome, planar FSS array or curve conformal
array. Microstrip antenna is used as the feed antenna.
Based on the principle of equispaced and equal period
respectively, cross units loading single layer dielectric
form planar and curve FSS array. The FSS radome system
can improve the permeability of hood to electromagnetic
waves (EM) of passband, and reduce the interference
of complex EM in the external environment to the
system. The FSS radome will not deteriorate radiation
characteristics of the feed antenna. The planar FSS
radome has a passband of 98.2 GHz to 101.55 GHz
with -10dB relative bandwidth of 3.35%. The curve FSS
radome has a passband of 96.3 GHz to 101.8 GHz
with -10dB relative bandwidth of 5.5%. In addition, the
radiation characteristics of the proposed system are
analyzed. It is found that the radiation pattern of the
antenna is basically consistency before and after loading
the radome.

Index Terms — Bandpass, frequency selective surfaces,
millimeter waves, radiation, radome, transmission.

I. INTRODUCTION

Millimeter waves [1,2] are favored by researchers
because of rich frequency resources, small
electromagnetic interference in the same frequency band,
and narrow beam. FSS radome has a wide application
prospect in the fields of electromagnetic protection and
reflective surface antennas. Therefore, this paper designs
a FSS radome working in the millimeter wave band. The
FSS [3-10] is a metal patch or slot unit periodically
arranged on the medium, which realizes bandpass or
bandstop characteristics by effectively controlling the
reflection and transmission characteristics of EM. The
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FSS is a spatial filter essentially. The FSS radome not
only protects the antenna from the external environment,
but also acts as an electromagnetic window to receive
and transmit electromagnetic waves of a specific
frequency.

In recent years, a large number of studies on
frequency selective surfaces have emerged. In [5], the
authors proposed an equivalent circuit model of tunable
square FSS, which uses discrete capacitive components
to achieve tuning, and then approximates the cell size of
FSS by circuit model. In [7], a three-dimensional (3D)
FSS based on split square coaxial waveguide (SSCW) is
proposed, which introduces two transmission zeros on
both sides of the passband to achieve high selectivity. In
[11], it applies two layers of FSS made of cross element
on the radome's dielectric slab. By setting the radome
slab thickness as an odd multiple of a quarter-wavelength,
the two layers form a phase cancellation structure and
suppress electromagnetic wave return. In [12], a filter-
antenna consisting of a monopole antenna and a conical
FSS radome was designed and investigated. It can keep
the input reflection coefficient, radiation pattern of the
monopole antenna within the designed passband, and
reflects out-of-band signals. The radome [13-18] loaded
with bandpass FSS has attracted the attention of many
experts and scholars.

The dielectric radome designed in this paper adopts
a cone structure. A cross slot unit operating at 100 GHz
is used as FSS. A microstrip antenna is used as the feed
antenna, because it has stable performance and is easy
to integrate with radome. Using the transmission line
theory to analyze the influence of different thickness of
radome wall on the transmittance, and the influence of
various dielectric constant of radome on the radiation
performance. It provides reliable theoretical support for
improving the radiation performance of FSS radome

https://doi.org/10.47037/2020.ACES.J.360406
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system. A planar FSS radome and a curve conformal
FSS radome are designed respectively in this paper. The
author studied the influence of FSS radome on antenna’s
S parameters and radiation performance. The numerical
results in this article use electromagnetic simulation
software HFSS to calculate and solve.

I1. TRANSMISSION LINE THEORY AND
FULL WAVE ANALYSIS

The equivalent transmission line theory of the
radome is used to calculate the transmission coefficient
of the radome. The four-terminal equivalent transmission
line theory, which is characterized by matrix form, can be
applied to radomes of flat structure. For a radome with an
N-layer (N >1) structure, the transmission characteristics
can be represented by a series of N+1 matrices. The
radome of the N layers structure is shown in Fig. 1. The
relative permittivity and magnetic permeability of air are
represented by &, and p,, respectively. Similarly, &; and
u; show relative permittivity and magnetic permeability
of the layer i, and the thickness substrate is represented
by d;.

0,
Ho€g
i M€
.
: /ujgi |
A\
¥ M€,

;9\~ Ho&q

v

Fig. 1. Schematic of N layers plate electromagnetic wave
propagation.

For the structure of the N layers medium, it can be
equivalent to an N+1 four-terminal network, and the total
cascading matrix T,;; is expressed as formula (1),

nole ke ole ol o) o
c bjlc, pjlc, b,) \c, D,

Ch(j7idi) ZiSh(j7idi)
A B !
(Ci Dij: M Ch(jyidi)

Z.
where y, =g —sin*6 x2x1 4, sh() and ch()

represent hyperbolic sine and hyperbolic cosine functions
respectively. The characteristic impedance of the layer
i relative to the free space can be normalized to Z;.

The Z!' represents horizontally polarized normalized
characteristic impedance, expressed as formula (3).

, ()
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The Zz! represents vertical polarization normalized
characteristic impedance, expressed as formula (4):

zl =2, ﬁm, @)
&

z :i, 4)
N HiE; —sin® 4,

Zy in the above equation is the free-space
characteristic impedance, Z, =377Q . For horizontally
polarized waves, its characteristic impedance is
Z)=Z,cos@,. For vertically polarized waves, the
characteristic impedance is Z," = Z, / cos §,. After solving
the total cascading matrix T,, of the N four-terminal
network, the transmission coefficient can be calculated
by the formula (5):

2
Trans = . (5)
(Aall + BaII /ZO)+ (ZOCaII + Dall)
1
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Fig. 2. Effect of radome wall thickness on transmittance.
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Fig. 3. Effect of radome wall thickness on radiation
performances.

Assume that the relative permittivity of radome is
1.08, the transmission rate is decreasing as the thickness
increases from 0.07mm to 0.35mm, as shown in Fig. 2.
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Table 1 shows the transmission rate at different wall
thicknesses at 100 GHz. When the wall thickness is less
than or equal to 0.21 mm, the transmission rate is more
than 90%. The radiation characteristics of the radome
are analyzed in combination with full-wave simulation.
Figure 3 shows the effect of the thickness of the
radome wall on the radiation performance. In the range
of 0.07mm~0.21mm, the radiation curves of different
radome wall thicknesses are basically coincident, which
is in good agreement with the radiation pattern of the
antenna. Combined with the data in Table 1, after loading
dielectric radome the gain of antenna is approximately
equal to 6dB. In order to ensure the overall strength of
the radome, the thickness of the radome is increased as
much as possible under the condition that the electrical
performance index is satisfied. Therefore, the overall
thickness of the radome wall is determined to be 0.21
mm.

Table 1: Comparison of transmission and gain at 100
GHz for different wall thicknesses
d (mm) 0.07 | 014 | 021 | 0.28 | 0.35
Trans. (%) | 99.06 | 96.26 | 91.67 | 85.42 | 77.65
Gain(dB) | 6.29 | 6.25 | 5.99 | 6.26 | 6.03

Assume that the thickness of the radome wall is 0.21
mm, the transmission rate decreases with the increase of
the relative permittivity of the radome wall, as shown in
Fig. 4.
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Fig. 4. Effect of permittivity of radome wall on the
transmission rate.

Figure 5 shows the effect of relative permittivity of
radome wall on the radiation performance. It can be
obtained that the radiation pattern is gradually distorted
with the increase of the relative permittivity. Table 2 shows
the transmission of the different relative permittivity
radome at 100 GHz. When the relative permittivity of

radome wall is 1.08, the transmittance is more than 90%.
Considering the radiation gain of different wall materials,
honeycomb materials with the relative permittivity of
1.08 are selected.
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Fig. 5. Effect of relative permittivity of radome wall on
radiation performance.

Table 2: Comparison of transmission and gain at 100
GHz for different wall materials
& 1.08 15 2.5 3.6 4.4
Trans (%) | 91.67 | 86.44 | 71.39 | 54.31 | 43.42
Gain(dB) | 599 | 652 | 6.12 | 597 | 544

I11. RADOME SYSTEM DESIGN

A. FSS design and simulation

The frequency of FSS depends on the total length of
the gap, and resonance occurs when the length is equal
to half the wavelength. In this paper, cross slot units are
designed for planar and curve FSS radome, as shown in
Fig. 6. The planar unit is loaded with Rogers 5880 with
dielectric constant of 2.2, and the curve unit is loaded
with material with dielectric of 1.08. The size parameters
are shown in Table 3.

Table 3: Size parameter of plane and curve cross FSS

Variables a D h L w
Plane (mm) | 0.07 | 1.06 | 0.12 | 0.37 | 0.044
Curve (mm) | 0.089 | 1.34 | 0.152 | 0.465 | 0.054

The resonant frequency of the planar and curve
unit are 100 GHz, as shown in Fig. 7. When the EM is
incident on the radome wall at a large angle, the FSS unit
is required to have excellent angle stability. Both units
can maintain stable resonance when incidence angle is 0
degrees and 45 degrees by analyzing reflection coefficient
and transmission coefficient. It confirms that planar and
curve FSS unit have good angle stability.
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Fig. 6. Classic cross gap type FSS unit.
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Fig. 7. S parameter of plane and curve FSS unit.

Table 4 analyzes the influence of arm length L on
center frequency. As L increases, the center frequency of
planar and curve FSS unit both shows downward trend.
This further illustrates the inverse relationship between
the gap length and center frequency.

Table 4: Effect of the value of w on center frequency

L (mm)
f
o (GH2) 032 037 0.42
Plane 1128 | 9988 | 86.75
L (mm)
fo (GH2) 0.45 0.465 0.48
Curve 101 99.97 94.68

B. Planar FSS radome design and analysis

Based on requirements for aircraft stability and
aerodynamic performance, this paper designs a cone
radome. The radome wall adopts a single-layer thin wall
to improve the transmission rate. In order to obtain a
wider operating frequency band, it is required that the
relative permittivity of the material is as low as possible.
Meanwhile, the loss of wall material should be as small
as possible to improve the transmission efficiency of
radome. Figure 8 shows a schematic diagram of the
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dielectric radome. Table 5 shows the size parameters of
cone radome.

Fig. 8. Schematic diagram of dielectric radome: (a)
cross-sectional view and (b) top view.

Table 5: Size parameters of cone radome

Variables rl r2 hl h2
Value (mm) 25 | 3.365 | 28.64 | 2.26
Variables h3 dl d2 --
Value (mm) 28.14 | 23.22 | 20.64 --

The model of planar FSS radome is established
through joint programming of HFSS and MATLAB. The
author writes programs to call HFSS for automatic
modelling using MATLAB's application programming
interface (API). Compared with the traditional manual
modeling method, this method greatly improves the
modeling efficiency and saves time.

&

Radome

Fig. 9. Planar FSS radome system model.

According to the equidistant principle, the two-
dimensional FSS array are arranged along the plane edge
of the cylindrical dielectric substrate. Then the planar
FSS array are loaded to the bottom of radome. Similarly,
the microstrip antenna is placed below the FSS array, and
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the planar FSS radome model is shown in Fig. 9. Figure
10 shows the comparison of S;1 between planar FSS
radome system and antenna. The Sa; curves of the antenna
are in good agreement before and after loading planar
FSS radome. The absolute bandwidth of the system is
98.2GHz~101.55GHz, and the relative bandwidth is
3.35%. Figure 11 shows the comparison of the E-plane
and H-plane radiation characteristics. After loading planar
FSS radome, the radiation pattern is shaken slightly. The
main lobe gain is basically stable. The beam pointing
error is within the allowable range. Figure 12 shows the
3D radiation pattern of dielectric radome, and the gain is
approximately 6dB. Figure 13 shows the 3D radiation
pattern of planar FSS radome, and the gain is about
6.4dB, which is an increase of 0.4dB compared with
loading dielectric radome. It shows that loading the
planar FSS radome can increase the radiation gain of the
radome system.
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Fig. 10. Comparison of Si; between planar FSS radome
system and antenna.
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C. Surface conformal FSS design and simulation

Different from planar FSS radome, the FSS array of
curve FSS radome is conformal to the surface of cover
wall. The modeling method still uses APl by calling
HFSS automatic modeling in MATLAB programming.
According to the principle of quasi-period arrangement,
the curve FSS array is composed of classical cross FSS
unit. The three-dimensional model of the curve FSS
radome system is shown in Fig. 14.
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Fig. 14. Curve FSS radome system model.
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Fig. 15. Comparison of S;; between conformal FSS
radome and antenna.

The feed antenna uses a microstrip patch antenna,
and the center frequency of the radiation is 100 GHz.
Figure 15 shows the comparison of Si; between curve
FSS radome system and antenna. The Sy; curves of the
antenna are in good agreement before and after loading
curve FSS radome. The absolute bandwidth of the system
is 96.3 GHz to 101.8 GHz. The relative bandwidth is
5.5%. Figure 16 and Fig. 17 show the comparison of
the E-plane and H-plane radiation characteristics. Figure
18 shows the 3D radiation pattern of curve FSS radome
system. After loading the curve FSS radome, the radiation
pattern is dithered slightly compared to the antenna.
The main lobe gain is reduced by 1.3 dB, and the beam
pointing error is within the allowable range. The backward
gain becomes larger and the sidelobe level is raised by
8.17 dB.
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Fig. 16. Comparison of E-plane pattern between curve
FSS radome and antenna.

Table 6 has compared the radome structure,
frequency band and performance between this paper
and literature [12-15]. The FSS radome designed in this
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paper is a dome-shaped cone. It works in the millimeter
wave band. It has a -10dB bandwidth greater than 3GHz,
and the bandwidth in other literatures is less than 2GHz.
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Fig. 17. Comparison of H-plane pattern between curve
FSS radome and antenna.
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Fig. 18. 3D radiation pattern of curve FSS radome
system.

The radome system designed in this paper works in
the millimeter wave and the center frequency is 100 GHz.
This is extremely demanding for machining accuracy
and testing environment. No actual tests have been
conducted yet. In the following work, the author will
carry out the actual processing based on the data and
conclusions obtained in this paper, and then give the
comparison results of simulation and actual measurement
in the subsequent articles.

IV. CONCLUSION
In this paper, based on the classical cross FSS
unit, a planar FSS radome and a curve FSS radome are
designed. They can be applied to the front end of the
aircraft to prevent electromagnetic interference and
improve the permeable performance of radome. The
results show that both planar and curve FSS radome
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can improve the transmission rate without affecting the
radiation characteristics of the antenna. They can suppress
interference from out-of-band signals to the system. The

two

radome systems designed in this paper have broad

application prospects in fuze radomes.

Table 6: Comparison of the proposed structure to the existing structure

Refs. Frequency (GHz) Cover Shape Core Dielectric FSS Loading 10dB BW (GHz)
[12] 6.1 Conical 2.33 Curved 0.418
[13] 5.3 Flat type 2.55 Planar 0.18
[14] 9.8 Flat type 2.65 Planar 1.5
[15] 124 Conical 3 Curved —
. Dome cone 1.08 Planar 3.35
This work 100 Dome cone 1.08 Curved 55
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Abstract — A spectrum-sensing algorithm is used to
detect the available and the occupied frequency bands.
The wideband antenna design approach is used for a
microstrip fed monopole antenna that can be used for
various wireless technologies such as GSM, UMTS, LTE,
and WiFi operating at different frequencies from 1.25 to
3 GHz. The antenna is constructed from two copper
layers of rectangular radiator and a partial ground plane.
These layers are printed on an RO4003 substrate with
dimensions 60 x 80 mm?2. The antenna is experimentally
fabricated to verify the simulation predictions and good
matching between simulated and measured results is
achieved. The wide-band antenna is tested by connecting
it to the receiver of the Blade-RF Software Defined
Radio (SDR) platform. A matlab script is then used to
control the SDR board and to perform Spectrum Sensing
for Cognitive Radio Applications.

Index Terms — Partial ground plane, software defined
radio, wide-band monopole antenna, wireless transceivers.

I. INTRODUCTION

The design of wide-band antenna for high speed
fixed and mobile wireless communications is regarded
as a challenging issue due to the fast development
of nowadays technologies [1]. These technologies
requires wideband antennas to support various wireless
communications due to their advantage in providing
higher data rate and lower power consumption as well as
smaller system size [2-6]. These wireless communication
systems covering different technologies such as GSM,
UMTS, LTE and WiFi. The specific frequency bands
defined for these standards are as follow: GSM1800
(17101880 MHz), GSM1900 (1850-1990 MHz), UMTS
(1920-2170 MHz), LTE2300 (2305-2400 MHz), and

Submitted On: October 1, 2020
Accepted On: January 18, 2021

LTE2500 (25002690 MHz). WiFi has different standards
like the IEEE 802.11 b/g operating in the 1SM-band
from 2.4 GHz to 2.48 GHz [7-9]. Many efforts have been
directed to widen the bandwidth of the antenna and many
techniques have been addressed to meet the requirements
of modern wireless technologies. Some of the addressed
techniques used to realize wide-band antennas are:
loading parasitic structure [10], etching round steps and
stepped cuts from the patch [11, 12], hexagonal radiator
[13], partial ground plane [14-16], distributed inductive
strip [17] and loading stubs based on multi-mode
resonance concept [18]. In this paper, we present
Spectrum Sensing hardware measurements using a wide-
band monopole antenna and a Blade-RF SDR-board
[19]. The proposed system is used to detect RF signals
in the frequency bands dedicated to GSM, UMTS, LTE
and WiFi. The antenna is designed with rectangular
microstrip antenna and partial ground plane in order to
achieve the required bandwidth for the aforementioned
wireless standards. The impedance and radiation
characteristics of the monopole antenna are investigated
using Computer Simulation Tool (CST) software which
is based on the Finite Integration Technique (FIT). The
suggested antenna is fabricated on a RO4003 substrate
and then measured to validate the simulation outcomes.

1. WIDE-BAND ANTENNA DESIGN

The designed wide-band antenna is fed by a 50
ohm microstrip feed-line and is printed on a RO4003C
substrate with dielectric constant of 3.38, loss tangent
of 0.0027, and 0.813 mm thickness. The antenna is
composed of rectangular microstrip antenna on the top
layer of the substrate and partial ground plane on the
bottom layer. This antenna is designed to achieve the
desired performance to satisfy the requirements of

https://doi.org/10.47037/2020.ACES.J.360407
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different wireless communication standards such as
GSM, UMTS, LTE, and WiFi. The suggested antenna
with the detailed dimensions is shown in Fig. 1. It can
be noticed from the layout that the partial ground length
is approximately the same that of the feed-line and the
patch is designed with the size of 45 x 38 mm? to increase
the antenna bandwidth for further operation in the
desired band. The initial design of the antenna with full
ground plane was resonating at 1.78 GHz with a very
narrow bandwidth. Subsequently, a partial ground is
utilized to achieve the desired band of operation and this
is evident by the simulation results shown in Fig. 2. The
simulation results of the proposed antenna are shown in
Fig. 2 and it can be demonstrated that the return loss is
less than —10 dB for about 1.75 GHz from 1.25 GHz to
3 GHz.

60mm

wuwigg

(b)

Fig. 1. The geometry of the proposed wide-band
monopole antenna: (a) top view and (b) back view.
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Fig. 2. The simulated S1; of the wide-band antenna.

1. RESULTS AND DISCUSSIONS

A. Wide band antenna results

A photograph of the fabricated wide-band antenna
is depicted in Fig. 3. The antenna was tested for its
impedance characteristics using Agilent N9918A vector
network analyzer (VNA). The radiation pattern and gain
were measured in an anechoic chamber. Figure 4 shows

ACES JOURNAL, Vol. 36, No. 4, April 2021

a comparison between the simulated and measured Si;
results of the proposed wide-band monopole antenna,
where the experimental results resemble the simulation
results over the achieved bandwidth. It is seen from Fig.
4 that both the simulated and the measured Si; are both
below —10 dB in the desired band. Nevertheless, the
two curves are not identical since the simulation results
show a minimum reflection of —25 dB at 2.5 GHz while
the measurement results show a minimum reflection of
—50dB at 2.2 GHz. This discrepancy is due the connector
loss and the fabrication tolerance. In all cases, the
proposed antenna can be considered as an adequate
antenna for the various targeted wireless communications
standards due to its good impedance matching
performance.

Fig. 3. Photograph of the fabricated wide-band monopole
antenna.
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=50

Fig. 4. Simulated and measured Si; of the proposed
antenna against frequency.

The normalized simulated and measured radiation
patterns in E- and H-planes of the proposed antenna are
shown in Fig. 5(a) at f = 1.8 GHz and in Fig. 5 (b) at
f=2.4 GHz. It is obvious from Fig. 5 that the wide-band
monopole antenna has a dipole-like radaiation pattern
since it has a bi-directional pattern in the E-plane and
omnidirectional pattern in H-plane for both frequencies.
From the previous results, it is clear that the proposed
antenna is convenient for different wireless communication
standards in the 1.25-3.0GHz frequency range. A



comparison between simulation and measurement results
realized gain of the proposed wide-band monopole is
shown in Fig. 6. The simulated gain varries from 1.9 dB
to 3.05 dB while the measured one varies from 1.6 dB to
3.1 dB. The average gain in simulation is 2.43 dB and
the average gain in measurements is 2.38 dB. It is hence
possible to conclude that simulation and measurement
results are very similar.

Fig. 5. The simulated (solid) and measured (dashed)
normalized radiation patterns: (a) f = 1.8 GHz and (b)
f=2.4 GHz.
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Fig. 6. The simulated and measured realized gain of the
wide-band antenna.

B. Software defined radio with antenna

For the Spectrum Sensing operation, we use the
SDR transceiver of the Blade RF board [19]. As shown
in Fig. 7, the transceiver has one port for RF transmission
and anotherport for RF reception. The Blade RF SDR
can operate in a frequency band from 0.3 GHz to 3.8

IBRAHIM, ALI, ABOUSHADY: PERFORMANCE EVALUATION OF SDR BLADE RF

GHz. The transmitter gain control range is 56 dB and
the receiver gain control range is 61dB. The signal
bandwidth can be selected from 1.5 MHz up to 28 MHz.
The Analog Front End (AFE) of the Blade-RF board
uses the LM6002 transceiver with several imperfections
like DC offset and 1Q imbalance. The effects of these
imperfections are digitally compensated using the on-
board FPGA in order to avoid any degradation in the
overall system performance.

Spectrum sensing can be performed either in the
time-domain or in the frequency domain. In this work,
we used frequency domain Spectrum Sensing because of
its higher resolution [20]. The spectrum is divided into
many sub-bands. Spectrum sensing is carried out by
dividing the total band of interest, B, into Ry, sub-bands
each having a bandwidth of B/Rg,. After down-conversion,
these sub-bands are converted to the digital domain.
Finally, an N-points FFT is performed for each sub-band
to calculate the Power Spectral Density (PSD):

PSD(f)=|F(x(nT))’, @)
where F(x(nT)) represents the Fourier Transform of the
sampled signal in the time domain, X[nT], where T is the
sampling period.

The PSDgi(f) is the PSD of sub-band number (i),
which has a range from 0 to Ry-1. In order to achieve
higher resolution, the number of FFT points, N, should
be increased. However, larger N increases the time
required for sensing. The parameters that are used in the
spectrum sensing detection are as follows: the frequency
range used for Spectrum Sensing is B = 2.7 GHz (0.3 -
3 GHz). This range is divided into Rs, = 135 sub-bands,
each sub-band with a bandwidth of B/Rs, = 20 MHz.
The number of FFT points N = 1024 and the sampling
frequency is 40 MHz. The total sensing time in this case
is 3.47 ms.

Before starting in detection, the blade RF should
be calibrated to balance the transmitting and receiving
output powers. The signal with constant power and
operated at frequency band from 0.3 GHz to 3 GHz is
used to configure the transmitting end. While the signal
from RF generator with constant power and operated
from 0.3 GHz to 3 GHz is used at the receiving port.

The wide-band antenna is attached at the receiving
port as shown in Fig. 7 after finishing the calibration
process. The wide-band antenna is used to detect the
surrounding energy spectrum to be sensed. Then matlab
digital signal processing (DSP) algorithm is utilized to
analyze the detected energy as shown in Fig. 8. Itis clear
that the antenna detected (commercial signals from the
air) GSM signal at 1.8 GHz, UMTS signal at 2.1 GHz
and WiFi signal at 2.4 GHz as shown from the Power
Spectral Density shown in Fig. 8.
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Fig. 7. (a) SDR blade RF [19], and (b) blade RF
connected with wide band antenna.
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Fig. 8. The mean power density spectrums of blade RF
at frequency range from 1.8 GHz up to 3 GHz.

Fig. 9. The transmitting (using monopole) and receiving
(using wide band antenna) setup of SDR blade RF.

In order to obtain a complete evaluation of the
SDR Blade RF, The transmitting port is connected
with conventional monopole as shown in Fig. 9. The
monopole antenna is operated from 0.3 GHz up to 2.9
GHz. The DSP algorithm is used to produce power at
the transmitting port; two frequency bands (2.44 GHz
and 2.7 GHz) are used for transmission. The setup of

ACES JOURNAL, Vol. 36, No. 4, April 2021

this experiment is carried out inside isolated room to
prevent the interference with other wireless signals. The
receiving antenna is put at the far field. The receiving
antenna is detected the energy of the two bands as shown
in Fig. 10 and Fig. 11. It is seen that the spectral power
densities are high at the two transmitting frequency
bands 2.44 GHz and 2.7 GHz. Finally we can conclude
that, the wide band antenna, spectrum sensing algorithm
and SDR blade RF are used in spectrum sensing
applications which enables our system can be used in
cognitive radio applications.
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Fig. 10. The scanned spectral power density of SDR
blade RF with wide band antenna at receiving end and
conventional monopole at transmitting end.
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Fig. 11. The scanned spectral power density of SDR
blade RF with wide band antenna at receiving end and
conventional monopole at transmitting end.

IV. CONCLUSION

Hardware measurements using SDR blade RF
platform has been used to detect the surrounding
energy by using spectrum sensing algorithm. The wide-
band monopole antenna has been designed, fabricated,
measured and utilized at the receiving end of the blade
RF to detect GSM/UMTS/LTE/WLAN applications.
The antenna is operated at frequency band form 1.25



GHz up to 3 GHz. The blade RF first has been calibrated
to balance the frequency gains between the transmissions
and reception modes. The proposed wide band antenna
has been utlized at receiving end to sense the spectrum
energy from 1.25 GHz up to 3 GHz. Also the antenna
has been received power from conventional monopole
antenna added at the transmitting end of the balde RF.
The blade RF sensing setup has been introduced with
sensing time of 41.4 =uS for 20 MHz band and 3.47 mS
for the whole 2.7 GHz band.
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Abstract — Capacitors are sources of EM field emissions
whose characterization is crucial for electronic circuits
EMC. This paper presents the modeling of equivalent
radiating sources of rectangular film capacitors. It presents
and analyses the magnetic near field measured above
plastic and polyester capacitors. The measurements are
then used by the inverse method to create a radiating
source model for the capacitor. The results show a good
agreement between the measured cartography and the
one obtained when using radiating sources model.
Finally, a generic radiating model is proposed for various
types of rectangular film capacitors. The generic model
is validated using the measurements on a rectangular
capacitor. The suggested radiating model accelerates
solving the inverse method. It can be used by circuit
designers to optimize the placement of capacitors on the
printed circuit board to reduce their coupling with other
components of the studied system.

Index Terms — Electromagnetic  compatibility,
electromagnetic radiation, film capacitors, inverse
problems, near field.

I. INTRODUCTION

In power electronics, the switching frequencies are
increasingly high so as to reduce the weight, the volume
and the cost of these systems. This rise in frequency is
accompanied with an increase in conducted and radiated
electromagnetic disturbances. It also has important
effects on the behavior of these components at high
frequencies. The characterization of the electromagnetic
behavior of the various components of power electronics
systems is an important step that will serve to better
control the electromagnetic compatibility of these
systems as early as the design phase [1-4].

There are many researches that have proposed
radiating models for components or systems. In fact,
concerning systems, [2] put forward a radiating model
of a DC-DC converter, referenced as TEN 40-2412. The
suggested model was composed of a network of four
magnetic dipoles. The study [3] proposed two radiating
models of a circuit based on a microcontroller. The first
model was based on 53 magnetic dipoles while the
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second one was based on 517 electric dipoles. For
components, [4] put forward a radiating model of the
MOSFET. The obtained model was constituted by a
magnetic dipole. Two radiating models of a toric self-
inductance were suggested in [5]. The first developed
model consisted of a large number of dipoles (676
dipoles). It was got by using a modeling approach based
on the matrix inversion. The second model was composed
of a network of 12 dipoles. Previous, researches have
already put forward a radiating model for an inductor [6-
7]. The proposed model by [6] consisted of a network
of two simple magnetic dipoles. However, the one
suggested by [7] was composed of a large number
of magnetic and electric dipoles (520 dipoles). The
measurements of the electromagnetic radiation were
performed as described in [8].

On the other hand, several methods have been
developed to model the radiated emissions of components
and electrical systems. The study [3] suggested two
methods. The first one was based on magnetic dipoles
and the second one was based on electric dipoles. The
two presented methods required both the amplitude and
the phase of the field. The study [4] put forward an
electromagnetic inverse method based on the Genetic
Algorithms (GA). The method gave good results in the
case where the number of searched parameters is not
very important; otherwise the method was inefficient
when considering calculation time and convergence. For
this, the same authors developed in [2] a hew approach
based on image processing descriptor PZMI, which
consisted in processing only a scan window of the
measured magnetic field cartography. Another approach
was developed by [6-7]. It was based on the matrix
calculation.

In this paper, we are interested in radiation of
film capacitors. The film capacitors are widely used in
the power electronics domain and they are replacing
electrolytic capacitors. They particularly permit the
improvement of reliability and EMI suppression. Indeed,
they are often used in new industrial applications, such
as power converters for renewable energy and also
for hybrid automotive systems. The film capacitors are
mainly characterized by a high insulation resistance, large
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conducted currents and a good stability of its capacitance.
These components are generally cumbersome and their
radiation certainly affects the overall radiation of the
circuits. The electromagnetic field radiated by capacitors
creates induced disturbances that may cause a
dysfunction to the neighboring circuits. Therefore, the
mastery of all the circuit's radiated field is a requirement
for the proper functioning of the system. It will be
worthwhile to dispose of the radiation model of
capacitors.

The literature review of papers related to EMC
analysis of discrete capacitors shows few studies
dealing only with conducted disturbances across these
components and their coupling effects on other
neighboring components. Particularly, in [9-12] the
authors first studied the electromagnetic coupling
between the components of an EMC filter. The filter was
composed of two capacitors and two coils. Second, they
proposed an automatic method to determine the optimal
placement of components and the associated tracks’
design. However, these studies treat the coupling in a
special single application which is an EMC filter. They
were not interested in the capacitors radiation. [12] put
forward methods for predicting the distribution of the
magnetic field in capacitors. Although, the existence of
a magnetic field may seem anecdotal in capacitors who’s
functioning depends on the electric field, this is not the
case because the magnetic field is precisely the cause of
imperfections of the capacitors: the equivalent series
inductance, the resonant frequencies, the associated
losses, and the currents induced in metallization [13].

The aim of the present paper is to propose a
radiation model for film capacitors, which has never
been proposed before. In the next section, we will
present the experimental techniques used to characterize
the near field around the capacitors. In the third section,
we will analyze the magnetic near field above the
capacitors. The modeling method will be explained in
the section four. It will be then applied in the following
section to develop the radiating models of the studied
capacitors. Finally, we will put forward a generic model
for all rectangular capacitors.

I1. EXPERIMENTAL TECHNIQUES AND
CHARACTERIZATION METHOD

A. Excitation circuit

To allow characterization over a wide frequency
band, we excite the studied component with a current
having a large frequency band similar to the one found
in power electronics. Therefore, we propose to insert the
component under test in a converter circuit supplied by a
voltage equal to 30V and having a duty cycle equal to
0.5 (Fig. 1). The output current of the circuit is of 0.5 A.
The switching frequency is 50 kHz.
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Fig. 1. Chopper circuit where studied component is
characterized.

B. Measurements methods

In our study, we utilize only one component of the
field radiated by the system under test. Indeed, the use of
a single component in a large number of points is quite
sufficient for identifying the equivalent source by
guaranteeing the uniqueness of the solution [14-15].

Furthermore, the developed radiating model is
capable of modeling the electric field as well as the
magnetic field. Actually, based on [16-18], we can
calculate from the magnetic field, the electric one and
vice versa.

Since the method can be applied to any component
of the magnetic or electric field, we have used the
vertical component Hz. We may also utilize the other
tangential components (Hx or Hy). For measuring the
magnetic near field, we place a magnetic probe above the
device under test. It is a manually made probe, which
consists of a 1.6mm radius circular loop connected to the
central conductor on one side and to the external shield
of a coaxial cable on the other side. To capture the
various components of the H field, it is necessary to
place the normal of the collinear loop to the desired
component.

In our study, we use two methods for measuring the
magnetic field around the component. The first method
performs the measurements of the near field in the
frequency domain and the second one is performed in the
time domain.

C. Probe calibration

It is worth noting that the used electronic probes are
none other than small sensors or antennas as proposed
and implemented in the IRSEEM NF test bench [7-8]
[19]. In these studies, the authors suggested a method to
validate the accuracy of their magnetic field probes.
They measured the radiated magnetic field around a
simple circuit which was a conductive wire above a
ground plane. The values of the measured field were
compared to those calculated theoretically. Thus, the
results comparison enabled the validation of the used
probes.



Similarly, in this work, to calibrate the magnetic
probe, we have used a radiating circuit whose radiation
is known theoretically. We compare the measured
radiated magnetic field to that calculated by the
numerical electromagnetic tool NEC [20] based on the
moment's method. The radiating circuit is a rectangular
loop of 5 cm length and 3 cm width excited by a
sinusoidal voltage of 10V amplitude at a frequency of
5MHz (Fig. 2).

The probe

5cm

Fig. 2. Loop used for probe calibration.

The simulations and measurements are made at the
points located in a horizontal plane at a height of 3 mm
above the radiating loop and having dimensions of 5 cm
X 3 cm. The calculation step is of 2.5 mm along the X
axis and of 1.5 mm along the Y axis (441 measurement
points).

Figures 3, 4 and 5 present the magnetic field
components Hz, Hx and Hy along the X and Y axis
respectively. It shows a good agreement between the
measured and calculated curves of Hz component. In
order to, have a good signal to noise ratio when measuring
Hx and Hy components, we chose measurements lines
located at the edge of the emitting loop. Consequently,
in some positions of the measuring probe we notice a
difference between measurements and simulations due
to the edges effects and the coupling effects between the
probe and the radiating loop. These phenomena are not
significant on the Hz component and therefore do not
affect the construction of the model.
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Fig. 3. Hz following X and Y axes respectively for Y =
4.5 mmand X = 25 mm.
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Fig. 5. Hy following X and Y axes respectively for Y =
1.5 mmand X =25 mm.

In order to examine the electric field rejection
capability of our magnetic probe, we have placed it over
a transmitting electric antenna where the amplitude of
the electric field is important. The observed voltage
across the probe is so low that we cannot dissociate it
from the noise. Hence, we deduce that our shielded probe
rejects very well the electric field and measures the
magnetic field with great accuracy.

I11. MEASUREMENTS AND ANALYSIS OF
POLYPROPYLENE CAPACITOR
RADIATION

Measurements are performed in the time domain
using a high bandwidth oscilloscope. We have measured
the vertical component Hz of the magnetic near-field
radiated above a plastic polypropylene capacitor of a
2.2uF capacitance and a maximum voltage of 100V (the
capacitor size is15mm x 6mm x 26.5mm). To avoid the
interferences caused by the capacitor legs, we have
folded the legs of the latter. The probe is located at a
distance of 2 mm above the capacitor in a plane whose
dimensions are 4cm x 2cm. The displacements are done
with a measuring step of 2 mm on the X axis and 1 mm
on the Y axis. Thus, we have 400 measurement points.
Figure 6 shows the measurement plane and the component
under test. It gives a particular point (3,5) position in the
measurement plane.

Figure 7 shows the temporal signal measured at the
terminals of the magnetic probe once it is situated at
the point (3,5): the third position along the X axis and
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the fifth position along the Y axis. When analyzing the
measured magnetic field signal, we notice the existence
of switching transients during the turning on and the
turning off of the power component utilized in the
chopper.

Capacitor edge
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Fig. 7. Measured temporal signal at the terminals of the
probe above capacitor under test.
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Fig. 8. Spectrum of radiated magnetic field Hz at the
terminals of the probe above the studied capacitor at
point (3.5).

Figure 8 shows the spectrum analysis of the full
temporal signal with both switching phases (closing and
opening of the MOSFET in the excitation circuit where

ACES JOURNAL, Vol. 36, No. 4, April 2021

our studied component is characterized). That measured
above the capacitor at the point of the coordinates (3,5)
presented in Fig. 7. By analyzing the spectrum of the
measured temporal signal, we notice the appearance
of four principal harmonics which have the following
frequencies: 3 MHz, 11 MHz, 20 MHz, and 40 MHz. The
resonances that appear above the capacitor are principally
due to the operating current flowing into the chopper
circuit.

We present in Fig. 9 the cartographies of the field
above the capacitor at these different frequencies.
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19 _@wm
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Fig. 9. Cartographies of near field for 3MHz, 11 MHz,
20 MHz, and 40 MHz frequencies.

According to the previous cartographies, it is noted
that the distribution of the radiated magnetic field above
the capacitor is located on the entire surface of the
component as illustrated in Fig. 10.

Fig. 10. Distribution of magnetic field above capacitor
(frequency equal 20 MHz).

V. MODELING METHODOLOGY
To develop a radiating model that enables producing
a near field equal to that’s radiated by the system under
test. The modeling methodology given in Fig. 11 is based
on a hybrid approach consisting in the coupling between
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the electromagnetic inverse method and the Method of
Moments (MoM) [21]. The optimization method used in
this work is based on genetic algorithm that has been
presented in [22-24]. To reduce the convergence time
of the electromagnetic inverse method, we take into
account the study presented in [22] to choose the
optimum parameters of the genetic algorithms. These

Table 1: Optimum parameters of genetic algorithms

optimum parameters are given in Table 1.

The equation presented in Table 1 gives the fitness
function which ensures the comparison between the
estimated and the measured field. It is equal to the sum,
on all points of the measured cartography of the relative
errors between the measured magnetic near-field and the
estimated one.

Fitness Population Size Selection | Crossover
Function (Np) Function Rate
n |H measured - H estimated =
Error = Z‘ ‘xlOO Np =20 x number of Roulette 0.8
P H measured parameters of dipoles

These numerical modeling methods depend on the
performance of the machines on which they are run and
the complexity of the simulated structure. Therefore,
very high precision is required; a more powerful PC in
order to reduce the computing time is required.

After, the search is launched to find the parameters
of the equivalent radiating structure by comparing the
measured cartography to the one calculated numerically
by the moment's method and using the obtained
parameters.

Insert the measured magnetic field

v

Propose N radiating sources

[— —- p— ——— e — e — . —_

A 4

. Genetic
Calculate magnetic field generated Algorithm
by these N sources with MoM code

|
7 1 |
|
|

Edit source
parameters
(positions and
excitations)

Error = |measured field — calculated
fieldl

Identified model

Fig. 11. Flow chart of the modeling approach.

The calculation of the magnetic field generated by
the N sources is done through the NEC2D software core
which is based on the MoM.

As the capacitor cartographies gather at the radiation
of a rectangular loop, the search for models has been
launched to find a rectangular current loop using the
method based on the coupling between inverse method
and the MoM. Each rectangular loop as given in Fig. 12
is characterized by the coordinates of its center (X0, YO,
Z0), its width (w), its length (L), its orientations (o, 0),

the radius (r) of the loop wire, and the current flowing

through it.
0 < |——= .5

=

Fig. 12. Rectangular current loop parameters.

V. MODEL FOR THE POLYPROPYLENE
CAPACITOR

A. Model research

After presenting the cartographies of the magnetic
field radiated by the capacitor in section 3, we apply our
approach to find a model that gives the same radiation
as that measured over the capacitor. To do this, we used
the cartography of the vertical component Hz of the
magnetic field at a frequency of 20 MHz. We chose the
cartography of 20 MHz because it was the clearest one.
The modeling results are shown in Table 2.

Figure 13 shows the position of the identified loop
on the capacitor cartography.
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Fig. 13. Obtained loop position.
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Table 2: Parameters of the obtained rectangular loop
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Center Coordinates Loop Dimensions Orientations Conductor Voltage
(Xo, Yo, Zo) (mm) Width, Length (mm) @, 0 (rd) Radius R (mm) | Excitation (V)
3.6;19;-2.9 12; 23 0;0 1 0.035

Figure 14 presents the measured and estimated
cartographies of the magnetic field vertical component
Hz. A reasonable agreement between the two cartographies
is observed.
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Fig. 14. Measured and estimated cartographies.

B. Model validation

To validate the reconstructed model, we propose
to present a comparison between the estimated and
measured cartographies for other faces of the capacitor
or other components as proposed in [4], [25]. To do this,
initially, we perform an experimental measurement of
the cartography of the magnetic field on other face of
the capacitor (Hx measured). For this, we placed the
capacitor vertically and we measured the magnetic field
radiated from this face. In the second step, we exploit
the estimated parameters to calculate the cartography
of the tangential component of the magnetic field
(Hx estimated). Figure 15 depicts the layout of the
measurements.

Fig. 15. Measurement of magnetic field over vertically
placed capacitor.

The validation of the model is made for the
frequency of 20 MHz and at a measurement height of
3 mm. We give in Fig. 16 the measured magnetic field
cartography and that's calculated by the model above the
vertically placed capacitor.

According to the previous results, the magnetic field
reconstructed by the model shows a good accordance

with the measured one. These results confirm the
existence of an equivalent rectangular current loop in the
capacitor. To explain the obtained results, we present in
Fig. 17 the internal structure of the capacitor.
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Fig. 16. Cartographies of measured and calculated field
above vertically placed capacitor.

Ce

Fig. 17. Film capacitor’s internal structure.

The analysis of the internal structure of the film
capacitor confirms the obtained equivalent model. Indeed,
the surface of the capacitor appears as a rectangular loop.

This current distribution at the capacitor contour is
certainly caused by the internal coupling phenomena in
the component. This current distribution in the capacitor
film is consistent with that introduced in [12-13].

VI. MODEL FOR THE METALLIZED
POLYESTER CAPACITOR

A. Measurement of magnetic near-field radiated by
polyester capacitors

Based on the frequency measurement method, we
measured the vertical component Hz of the magnetic
field radiated above a metallized polyester capacitor of a
1puF capacitance and having a maximum voltage of 100V
(the capacitor size 14mm x 7mm x 18mm). In order to
have exactly only the magnetic field radiated by the
capacitor, we bent the legs of the capacitor. The probe
was located at a 3 mm distance from the capacitor. The
measurements of the magnetic-field were performed in



a plane whose dimensions were 30mm x 20mm with a
measuring step of 1.5 mm on the X axis and 1 mm on the
Y axis. Figure 18 shows the measurement plane and the
component under test.

Moy d
2Cm.>z

(@) (b)

Fig. 18. (a) Measurement plan and (b) device under test.

After making Fast Fourier transformation (FFT) of
the measured signals above the capacitor, we notice that
the frequency of 26 MHz has maximum amplitude. We
present in Fig. 19 the cartographies of the Hz and Hy
components measured at the frequency of 26 MHz.

Table 3: Parameters of the obtained rectangular loop
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Fig. 19. Cartographies of the field above the capacitor:
(a) Hz and (b) Hy.
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B. Radiated-field modelling

As for the polypropylene capacitor, the radiation of
the polyester capacitor looks like that of a rectangular
loop. We applied the same method exposed previously
to the cartography of the measured magnetic field Hz
at the frequency of 26 MHz. The modeling result is a
rectangular current loop whose parameters are given in
Table 3.

Center Coordinates Loop Dimensions Orientations Conductor Voltage
(Xo, Yo, Zo) (mm) Width, Length (mm) @D, 0 (rd) Radius R (mm) | Excitation (V)
1; 15;-3.3 12; 16 0;-0.2 1 0.0017

Measured Cartography

Estimated Cartography

Measured Cartography

Calculated Cartography

> 2% MH 80

Fig. 20. Measured and estimated the vertical component
Hz cartographies of polyester capacitor.

Figure 20 exposes the cartographies of the magnetic
field Hz measured and estimated by the obtained model
above the capacitor. A good agreement between the two
cartographies is observed.

C. Model validation

To validate the obtained model in a better way, we
examined the cartographies of the other components of
the magnetic field above the capacitor. We specifically
compared the measured component Hy of the magnetic
field with that calculated using the obtained model.

N b O ®

7 75
> 26 MHz

70
65
60
55
‘ 50
45
| o
35

5 10 15 20 25 30 0 5 10 15 20 25 30

Fig. 21. Cartographies of measured and estimated Hy
component of the magnetic field above the capacitor.

%

Figure 21 show that the magnetic field reconstructed
by the model resembles to a great extent the measured
magnetic field.

D. Generic model for capacitor

The examination of the results obtained previously
allows us to conclude that the equivalent radiating model
for the different types of the rectangular film capacitors
is a rectangular loop whose parameters depend on the
geometry of the capacitor as illustrated in Fig. 22 and
explained in equations (1) to (4).
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We suggest formulas to determine, using capacitor
dimensions, and the size of the source rectangular loop
of the generic model.

The center
coordinates

= Gravity center of the capacitor

Widthgeneric = 0.8XWidthcapacitor, (1)

Loop dimensions  Lengthgeneric = 0.86XLengthcapacitor, (2)

o ¢ =0 (rd) 3
Orientations 6 depends on the position of the capacitor
under test relative the x-axis = 0. 4)

Excitation Voltage ~ Dependence on the field amplitude

To validate the proposed generic model, we applied
it on another rectangular capacitor. Therefore, we
measured the magnetic field above a third rectangular
capacitor having 2.2uF capacitance and a maximum
voltage of 250V (the capacitor size is 25mm x 14mm X
41.5mm).

We performed measurements of the near field
cartography above the studied capacitor and then we
applied the method based on the coupling of the
electromagnetic inverse method with the MoM to find
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the equivalent model that will be compared to the one
obtained by the generic model formulas.

z

e (P <$ LengthGeneric
! —

1

IC‘
Wldth Generic

Fig. 22. Capacitor parameters and the analogy with the
equivalent loop.

According to Table 4, we notice that the calculated
parameters by the formulas of the generic model are very
close to those obtained by the inverse electromagnetic
method.

Table 4: Parameters of rectangular loop obtained by two methods

Obtained Center Loop Dimensions | Orientations | Conductor | Voltage Modeling
Parameters by Coordinates Width, Length D, 0 Radius R | Excitation Time
Two Methods | (Xo, Yo, Zo) (mm) (mm) (rd) (mm) V) (min.)

Without . ) )
generic model 2;26;-7.3 21; 37 0;0 1 0.0007 62
Generic model 2.3;25; -7 20; 35.69 0;0 1 0.00055 8

We observe from the previous table that searching
model using the generic model is seven times faster than
when being used without the generic model. Indeed, in
the generic model we search only one parameter (the
excitation voltage) whiles the others parameters are
calculated using the formulas given in equations (1) to (4).

Figure 23 shows the components Hy and Hz of the
magnetic near-field measured and estimated by the two
obtained models above the capacitor under test at a
frequency of 27 MHz.

According to the results presented in Fig. 23, the
magnetic field reconstructed using the proposed generic
model shows an agreement with the measured magnetic
field. In fact, in our modeling approach, we are interested
in the high amplitudes of the magnetic field (red parts in

the cartographies) because they have the most important
magnetic field radiated by the component under test. For
these values we notice a good agreement between the
measured field and the one calculated by the generic
model.

Figure 24 presents a comparison between the two
models for cuts of the components Hz and Hy along the
x-axis. It shows a reasonable agreement between the
measured magnetic field and the obtained one with the
two models.

The examination of all the obtained results enables
us to conclude that the suggested generic model is a
slight model that permits, in a very short time, the
calculation of the radiation of the different types of the
rectangular capacitors.



Hz (dB pA/m)

Hy (dB pA/m)

Fig. 23. Cartographies of magnetic field: (a) measured,
(b) estimated using inverse method, and (c) using generic
model (at frequency of 27 MHz).
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Fig. 24. Comparison of the two models for cuts of Hz
and Hy components along the x-axis.

VII. CONCLUSION
Film capacitors are among the larger components
on power electronics boards. Therefore, they cause a
considerable radiation above all the circuit. In this paper,
we have presented the characterization measurements of
the magnetic field radiated by different film capacitors
utilized in power electronics. We have then used the
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inverse electromagnetic method based on coupling
between the Genetic algorithms and the moment's method
to propose models of equivalent radiating sources of
these capacitors. A generic radiating model for different
types of rectangular film capacitors has been finally put
forward and validated using measurements on another
capacitor.

This equivalent model is special; hence, its radiation
is much more complicated than the one that is usually
used by the electromagnetic inverse problem (elementary
magnetic and electric dipoles).

The proposed radiating model reduces the number
of parameters to be determined by the GA method and
consequently reduces the convergence time of the
inverse method. It can be utilized by circuit designers
to optimize the placement of capacitors on the printed
circuit board to reduce their coupling with other
components of the studied system.
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Abstract — Based on the theory of multi-conductor
transmission lines (MTL), this paper proposes a new
method for predicting and suppressing crosstalk of
twisted-wire pair (TWP). The per unit length (p.u.l)
RLCG parameters change caused by the inconsistent
cross-sectional shape of TWP, changes in parameters
make it difficult to solve the telegraph equation. In this
paper, the method of transmission lines cascade is
used. TWP is divided into several segments, and p.u.l
parameters of each segment are predicted. Compared
with before method, we propose a higher precision
algorithm—~beetle swarm optimization (BSO) to optimize
the weights of back-propagation (BP) neural network,
which predict p.u.l parameters at each segment. On this
basis, it is divided into two steps: 1) Use MTL frequency
domain method combined with lines’ terminal conditions
to solve crosstalk and compare with CST simulation
results; 2) Use the singular value decomposition (SVD)
method to add matrix modules at both ends of lines for
suppressing crosstalk. The results show that proposed
method in this paper is consistent with the simulation,
and the accuracy is higher than before.

Index Terms — Beetle swarm optimization, crosstalk,
multi-conductor transmission lines, singular value
decomposition.

I. INTRODUCTION

As people's requirements for electronic equipment
increase, the circuit system gradually becomes smaller
and more compact. The increase of the operating
frequency has caused various electromagnetic interference
(EMI) problems. Today, the effects of crosstalk between
TWP cannot be ignored [1-3], then influence the signal
integrity (SI). Unintentional coupling of energy between
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electro-magnetic fields will cause crosstalk in the line, in
other words, the energy in the signal line is coupled to
other lines. This part of the energy is useless [4]. The
traditional MTL usually refers to a group of n-parallel
conductor transmission line structures that propagate
electrical signals in two or more fixed points. The
crosstalk value can be achieved by directly solving the
telegraph equation. However, the cross-section position
in TWP is random and unknown, which brings different
p.ul RLCG parameters, so it is difficult to predict
crosstalk directly by the traditional method [5,6].

In the past thirty years of research on crosstalk,
many scholars have proposed a variety of TWP crosstalk
prediction methods. Cannas proposed to treat non-
uniformly TWP as cascade of several uniformly cross
sections, and use BP neural network to make prediction
[7]. In [8], Dai proposed to use the random displacement
spline interpolation [9] (RDSI) to generate a set of non-
uniformly TWP to provide training samples, and then
use the trained BP to predict the crosstalk, but ordinary
BP neural network have large errors, and its prediction
range is narrow. In [10], the ANSI parameter matrix was
proposed to predict the near-end crosstalk of unshielded
TWP.

Based on the theory of MTL [11], some novel
methods for suppressing crosstalk have been proposed.
The proper feeding and matching modules at the line
ends method was proposed in [12]. Increasing the effects
of the capacitive coupling to cancel that of the inductive
coupling along two parallel lines for reducing far end
crosstalk is reported in [13]. By adding coefficient
matrices at both ends of line, the unitization of
transmission matrix is realized to suppress crosstalk have
also been discussed [14]. However, these suppression
methods are mainly aimed at parallel transmission lines,

https://doi.org/10.47037/2020.ACES.J.360409
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and there is little research on TWP.

In fact, when the TWP is segmented, each fixed
section position will correspond to a defined p.u.l matrix.
This paper uses the cascade method [15] with BSO-BP
algorithm, which has strong nonlinear mapping ability
and is suitable for crosstalk prediction and suppression.

This paper is organized as follows. In Section I,
MTL's distributed parameter circuit diagram and chain
parameter theory will be given, the transmission lines
model will be established. Besides, the process of BSO
algorithm is introduced, the prediction errors of BSO,
beetle antennae search (BAS) [16] and BP are compared
in Section Ill. In Section 1V, MTL frequency domain
method will be used to solve the telegraph equation
and be compared with the CST simulation results; the
SVD method will be used to suppress crosstalk, and
comparison figure before and after crosstalk suppression
is given with PSPICE software. Conclusions are
eventually drawn in Section V.

Il. EQUIVALENT CIRCUIT AND CHAIN
PARAMETER

A. Equivalent circuit

In MTL theory, the telegraph equation regards the
transmission lines as having a distributed parameter
structure along the axis. The micro-element conduction
model of per unit length MTL is shown in Fig. 1. rj,
lij, cij and g represent the elements in resistance R,
inductance L, capacitance C, and conductance G
parameter matrices, where: i, j=1,2,...,n

1,(2,1) TanAZg A2 I, (z+Az,1)
| o} >
1 W2 o'iiAz o n(azy

- I;A 0 .
j o—»—:l—fw“ . - >
+

120 r;Az IjjAz Ij(z+A+z,t)

== [s.V4

Vs, .. ciof y Vi(z+dzt)
0 - -

Fig. 1. The equivalent circuit model of micro-element.

The satisfied telegraph equations are expressed as:

6\’(2 YR t)+L(z)aI(Z Ly (1)
8'gzz't) +GV(2,1)+C(z )aV(Z Do, @

where, V(z,t) and I(z,t) are voltage and current vectors at
different positions and times on the transmission line.
R(2), L(2), C(2), and G(z) are variables about the position
z of transmission line, both of which are n-dimensional
symmetric matrices.

B. Chain parameter
In this section, the transmission line will be regarded

ACES JOURNAL, Vol. 36, No. 4, April 2021

as a 2n port, and we generally care about the voltage and
current at both ends of transmission line. First of all,
convert equations (1) and (2) into frequency domain
form:

i\?(z) =-Zi(z) 3
dz
%i(z) =-YV(2), 4

where Z=R+joL and Y=G+ joC. Next the
characteristic impedance matrix Z_ of line is needed:

TYZT, =92, (5)
Z,=ZTy 1, (6)
Y. =2¢. @)

From [17], the relationship between the voltage
and current at both ends of transmission line can be
expressed by the chain parameter matrix:

Vip)| . [V(0)
[iw)}@(‘”{i(oj

:ﬁnm by, (@H\?(o)l | ®
D, (@) Dyy(e) || 1(0)
Where the sub-matrix can be defined as follows:
b, (p)=cosh(Z¥ ). )
by, ()= Zcsinh(V Y 2g). (10)
@, (p)=—Y,sinh W2¥e). (11)
b, (¢p)=cosh(\YZg) (12)

When the signal source amplitude is 1V, near-end
crosstalk (NEXT) and far-end crosstalk (FEXT) are
expressed as follows, i is the victim line number:

NEXT, = 20*log,, (V;(0)) . (13)

FEXT, =20*log,, (V, (¢)) - (14

111. BSO ALGORITHM

A. Modeling of TWP and single line

In this paper, the TWP and single line model in [18]
are selected to verify the effectiveness of proposed
method.

@® 1m (TWP: 25 twists)

Fig. 2. Line configuration of a single line and TWP.

The model is shown in Fig. 2. Lines have a total



ZHOU, LI, ZHANG, YAN, ZHAO, JI, LIU: TWISTED-WIRE PAIR CROSSTALK

diameter d = 1.7 mm and a 0.11-mm thick PVC coating
(relative permittivity of 2.7). The separation between
the single line and the center of the TWP is s = 2.55 mm,
so three lines are touching when they are lined up
horizontally, and they lie at a height h = 5 cm above a
perfect ground plane. Lines’ length I= 1 m and TWP has
N = 25 full twists (a lay length = 40 mm). Load at both
ends of the transmission line: Zs=Z,=50Q. The extracted
p.u.l RLCG parameters and crosstalk are all based on this
model.

B. BSO process introduction

Based on our previous research [19-21], we found
that the optimization effect of BAS algorithm for high-
dimensional data is not ideal, and its iterative results
are greatly affected by initial position of the beetle.
Therefore, inspired by the particle swarm algorithm, we
have made improvements to the BAS algorithm based on
expanded a single beetle into beetle group, which is the
beetle swarm optimization (BSO) algorithm.

In this algorithm, each beetle represents a potential
optimization solution. Similar to the particle swarm
algorithm, beetles can share information with each other.
However, the specific moving distance and direction of
each beetle depends on the odor intensity it senses, which
is the fitness function.

In this paper, we use BSO algorithm to optimize the
weights of BP neural network. And on this basis, predict
the p.u.l parameters at each segment position of TWP.
The schematic diagram is shown in Fig. 3.

nitialize the position
and speed of each beetle
Calculate initial fitness

|

|

|

|

Calculate the left I

r— and right antennae |

BSO optimize weights positions oieach beetle :

_______________ | Update Calculate the fitness I

| 2 1 step size, | | function of each beetle's |

| Wij I1|| speed left and right antennae |

I W11. 1 1 0, 11 I

| 1 |

| a 2 B 0, Il of each beetle |

[ . . Nl |

| : : : | Fitness |

| | iti |

| n, n, O | | conditio |

Input i |

: | p Hlldden OIUtPUt | : Return minimum and :

1 ayer ayer ayer the best beetle position

Fig. 3. BSO algorithm to optimize BP weights.

The number of hidden layers ny is an empirical value
determined by the number of input layers and output
layers, which can be as follows:

n, = (inputlayer + outputlayer)“2 +a, (15)

where a is the empirical constant between [1,10]. The
hidden layer uses the sigmoid function f(x), and output
layer uses the linear function g(x). They are as follows:

1
f(x)=
(X)=rro (16)
9(x)=x. (17)
Then, the output of neural network is:
Y= (18)
DT L%

For M sets of training samples, the mean square
error E between the neural network output value y; and

the actual value vy, is:

M N 1/2
Z(y] - yj )2
E=| 22— | . 19
v (19)
Next, the specific steps of BSO algorithm to optimize
weights w;; and w; will be introduced. Here, the position
of each beetle is the BP weight, and the fitness function
is the BP neural network error E.
Step 1. Generate a group of n beetles:
B =(B,,B,,:--B,) inan S-dimensional search space, where

the i th beetle represents a vector: B, =(b,,b,,---bs),
this represents a potential solution to the optimization
problem. The speed of the i th is expressed as:
V, =(V,,,V,,,-+V,g) . In order to improve the calculation
speed, we have stipulated the threshold range for the
individual and the whole beetle: U, = (U,;,U,,,---U;s)
and U, =(U,,,U,,--Ug).

Step 2: Give the iterative formula of beetle position
B and speed V<™.

By =B + AV, +(1-2)S (20)
where s=1,2,...S; i=1,2,...n; k is the current number of
iterations. o is increase in beetle position movement. A
is a constant.

Vi = oV +on(Ug - By +c,n(Ug —Bg), (21)
where @ is inertia weight, c1, c2 are constants, r1 and rz

are two random functions in the range [0,1].
Step 3: Give the distance and direction of the beetle.

8, = *V *sign(f (B) - f (By)). (22)

In this step, & is step size. The search functions of

the left and right antennae of beetle are respectively
expressed as:

B =BX +V) *d/2, (23)

Bit =B -V *d/2, (24)

d represents the distance between two antennae. After

the iterative loop is over, return a minimum error value,
and the corresponding beetle position, that is, the weights.
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C. Error comparison
In this section, we use ANSY'S software to extract a
set of p.u.l parameters at fixed rotation degrees (0: 5: 175
degrees) as training samples first. Secondly, rotation
degrees ¢, are used as the neural network input, and
p.u.l RLCG parameters is combined into one column as
the output O.
O =[tri(R), tri(L), tri(C), tri(G)]" - (25)
Then use BP neural network optimized by BSO

and BAS to predict p.u.l. RLCG parameters. In Fig. 4,
iterative fitness (error) of BSO and BAS are compared.

3 T T T T T ; T 0.06

-10.05

BSO-Fitness
BAS-Fitness

I ! L L I L L L L “o.04
0 10 20 30 40 50 60 70 80 90 100

Iteration

28

Fig. 4. BSO and BAS iteration error comparison.

It can be inferred from Fig. 4 that compared to BAS,
the group optimization method used by BSO reduces the
iteration error by 187.5 times, and it is almost unaffected
by the initial position of beetle. We use trained neural
network to predict the original training samples again
and compare two samples’ error. Taking L parameter
matrix elements li; as example, the relative prediction
error under three algorithms of BSO-BP, BAS-BP and
BP are given.
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Parameter —

Fig. 5. BSO-BP, BAS-BP and BP prediction error
comparison (a) BSO-BP, (b) BAS-BP, and (c) BP.

It can be seen from Fig. 5 that compared with the
previous BAS and BP algorithms, the prediction accuracy
of BSO for parameters has been improved by more than
20 times.

IV. CROSSTALK PREDICTION AND
SUPPRESSION VERIFICATION

A. MTL frequency domain method to solve crosstalk

After the p.u.l parameters at each segment have been

obtained, the MTL frequency domain method combined

with terminal conditions is used to solve crosstalk. In

the Section I, we have derived the chain parameter

expression of transmission line. Then crosstalk solutions
based on the terminal condition are given.

From equation (8):
[q)lz _q)uzs - ZLq)zz + ZLq)leS]I (0)

= [ZLd)Zl _d)11]\7$ ’ (26)

I (‘/’) =0, 7 +[@,, -0, Z]l (0) ) (27)

where Z, and Z, are termination load matrix. V is the

power supply.
Combined with terminal conditions:

V(0) =V, -Z1(0), (28)
V(p)=2,i(p). (29)
The 2n terminal voltages V/(0) and V(gp) can be

obtained from equations (26-29).

Next, compare crosstalk obtained based on the three
parameter prediction methods with the CST simulation
software results, as shown in Fig. 5. The frequency range
of crosstalk result is 5MHz ~ 1GHz.

In Fig. 6, the optimized algorithm can maintain
good consistency with the results in CST. And compared
with BAS, it is obvious that BSO has better fit and high
accuracy. Next, we provide the relative error of predicting
crosstalk in three methods under sub-frequency band and
sub-port in Table 1.

Among them, the highest error is BP, and the
lowest is BSO-BP, which also reflects the necessity of
optimization algorithm. The FEXT prediction accuracy
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is better than NEXT. In the sub-frequency bands:
prediction accuracy for low frequency band is the highest,
and the accuracy is the lowest in the mid frequency band
due to large number of resonance points.

-30

40- e CST

- E

-70

NEXT[dBV]

|
107 108 10
Frequency[Hz]

. ‘(a) .

o
—BSO-BP
40 ~=-CST
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70 //-\
-80 -
90 -
. |
107

-100
10 10
Frequency[Hz]

(b)

Fig. 6. Comparison of crosstalk under three parameter
prediction algorithms (a) NEXT and (b) FEXT.

FEXT[dBV]

Table 1: Average error (%) of crosstalk prediction (N:
NEXT; F: FEXT)

Frequency

(MH2) 5~100 100~500 500~1000
N F N F N F

BSO-BP | 2.32 | 2.23 |19.19|15.76 | 21.94 | 8.35
BAS-BP | 5.71 | 5.47 |40.00|35.65|43.45|21.44
BP 13.53|13.72|92.75|88.93 | 95.31 | 67.96

B. SVD method to suppress crosstalk

Based on equations (8-12), we can obtain the
relationship between the far-end and near-end voltages
of the transmission line, defined as P:

V(p)=PV(0)
=[D,,(9) + D (P)( D1, () - Z, P (0))
(D1 (9) = Z, D (P)IV(0) - (30)
The non-diagonal elements in the matrix P
correspond to crosstalk. If the matrix P is transformed

into a unit matrix, the crosstalk is suppressed. We
can use singular value decomposition (SVD) in matrix

theory to achieve this goal. For the P matrix, since it is a
full rank (nxn) matrix, there are unitary matrices G and
F exist, such that:

G"PF =B, (31)
where B is the diagonal matrix, o is the singular value
of P, and then:

P =GBF", (32)
G"PFB™=E,. (33)
From (32), it can be seen that the transmission
matrix P become an identity matrix, which needs to
undergo three signal transformations:
1) The first signal transformation occurs at the
input of the transmission line: B,
2) The second signal transformation occurs after
the first transformation: F.
3) The third signal transformation occurs at the
output of the transmission line: G"'.
We define:
P,=FB™, (34)
P, =G". (35)
In other words, the crosstalk can be suppressed by
implementing two matrix operations at the transmission
line ends. The crosstalk suppression circuit P, on the
source end is shown in Fig. 7, and the load end P, is also
the same implementation circuit.

Fig. 7. Crosstalk suppression circuit.

We select operational amplifiers as the components
for matrix operation, and negative feedback circuits
formed by operational amplifier can meet requirements.
Then, simulations are performed before and after crosstalk
suppression in PSPICE. Because at high frequencies,
oL >>R and oC >> G, therefore in this part: R=G=0.

Due to the unidirectional conductivity of the
operational amplifier, NEXT will not exist. Next, we
give the FEXT suppression effect under 100MHz
sinusoidal signal.

It can be seen from Fig. 8 that suppress crosstalk
method proposed in this paper is effective, and its effect
partly depends on the accuracy of circuit components.
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Fig. 8. FEXT suppression effect comparison.

V. CONCLUSION

In this paper, a new algorithm for predicting the p.u.l
RLCG parameters of TWP is proposed: beetle swarm
optimization. Based on the transmission lines cascade
theory, the TWP is divided into several segments, each
segment is regarded as a parallel transmission line, and
crosstalk is solved and suppressed through the p.u.l
parameter.

In this paper, the newly proposed BSO algorithm is
compared with the previous BAS and BP algorithms,
which proves that BSO has smaller iteration errors and
better convergence, so that the accuracy of parameter
prediction is higher.

The verification in Section IV is divided into two
parts, namely solving and suppressing crosstalk. In the
first part, using the MTL frequency domain analysis
method to solve crosstalk is given, and three prediction
methods are compared with the CST results to prove
the improvement of BSO; the second part uses the
SVD method to add auxiliary circuit at both ends of
the transmission line, which composed of operational
amplifiers. Its purpose is to turn the transmission matrix
into a unit matrix. Finally, the comparison figure before
and after crosstalk suppression is given with the PSPICE
software.
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Abstract — In this paper, some improvements have been
proposed for low resistance shaped conductive backfill
material (SCBM) based on finite-difference time-
domain (FDTD) simulations in grounding systems. It is
found SCBM can be produced by conjunction of several
layers with conductivity decreasing gradually from inner
layer to outer layer, and smooth conductivity reduction
between layers would lead to a better grounding
performance. It is also found cuboid shape is a much
more efficient shape than cube and cylinder shapes for
SCBM, and holes can be made on the SCBM’s main
body. It suggested to bury SCBM vertically when ground
soil permits, otherwise bury SCBM horizontally and
deeper burying depth would result in smaller grounding
resistance. Results show it is not needed to connect the
SCBMs one by one tightly in series SCBM, and some
distances is allowed without dramatically increasing
grounding resistance.

Index Terms — Finite-difference time-domain (FDTD)
method, shaped conductive backfill material (SCBM),
transient grounding resistance (TGR).

I. INTRODUCTION

Grounding system plays an important role in
lightning protection systems. When lightning strikes,
the overvoltage is dependent on the grounding system
resistance and a lot of papers have been published on
efforts to reduce the system’s grounding resistance
[1-3].

Low resistance shaped conductive backfill material
(SCBM), increases the grounding and soil contact area
and thus decreases the grounding system’s resistance.
SCBM can be widely used in various grounding systems,
especially to areas of high soil resistivity, to reduce
grounding resistance and ensure long-term stable
grounding effect without resulting huge cost rise [4-5].

Besides experimental analyses [6-8], numerical
simulations have been widely used in lightning protection
grounding systems design [8-11]. The finite-difference
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time-domain (FDTD) method [12-14], which provides a
simple and efficient way of solving Maxwell’s equations
for a variety of problems, has been usually used to
evaluate grounding system performance.

In [15], some optimal programs have been proposed
for SCBM to be used in lightning protection systems. In
this paper, some additional improvements are proposed
for SCBM in the grounding system. Firstly, to simplify
the production of the linear or parabolic type varied
conductivity SCBM in Section D of Part Ill in [15],
layered SCBM’s performance, whose conductivity
decreases gradually from the inner layer to the outer
layer, is studied. Secondly, shape effect of SCBM on
resistance is studied to find out the optimized shape to
reduce high conductivity material usage in the SCBM
production, and in this paper three typical shapes are
involved, which are cube, cylinder and cuboid SCBMs.
Thirdly, square and round holes are made on the SCBM
main body to further reduce high conductivity material
usage, and both field distribution and transient grounding
resistance (TGR) are monitored to find out the holes effect
on the SCBM performance. Fourthly, the performance
of vertically buried SCBM is compared with that of
horizontally buried SCBM with the same size to learn the
SCBM position’s effect on TGR. Lastly, series SCBM’s
performance is studied, and both field distribution and
TGR are monitored to derive some suggestions on the
distance between neighboring SCBMs in the series
SCBM. Based on these analyses, some improvements
are proposed for SCBM in grounding systems.

Il. TGR CALCULATION MODEL

To improve SCBM programs of grounding system,
the TGR calculation model proposed in [15] is adopt as
shown in Fig. 1. It worth to note that the in Fig. 1, CPML
stands for Convolutional Perfectly Matched Layer [16],
and PEC stands for Perfect Electric Conductor which
is used to truncate the CPML. A homogenous ground,
whose relative permittivity is e;=10¢o and conductivity is
04=0.004 S/m, is adopted.

https://doi.org/10.47037/2020.ACES.J.360410
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Fig. 1. TGR simulation model.

The lightning restrike current is injected 200 mm
above ground through, which is modeled by:
1) =1, —e7), (1)
where 1p=109405 A, 0=22708 s, $=1294530 s
The TGR is defined as a ratio of the transient voltage
to the transient current:
R =V,/I. ()
Here I; is the transient current flowing through the
grounding system, which can be defined from the
Ampere circuital theorem as shown in [17]:
LX) =[H, (=3 Jo =3, k) —H, (i +3. Jo — 3. k)1, / 4
+[H, (g, Jo =3,k +2) = H, (g, Jo 7. K —)1A, /4

@)
where (io, jo, ko) is the point where the lifting line entering
ground.

The transient voltage V: can be obtained from:
Ny N
V=2V, == E, iy jo.K)A, , 4

k=N, k=N,
where E, (i,, J,,K) is the electric field in the z direction

in the air-ground interface plane, N; and Na are FDTD
mesh indexes of the point (io, jo, ko) and point “E” in
Fig.1 respectively.

All simulation is carried out on a PC with the
parameter below:

Pentium IV 2.8GHz CPU per Node,

2.0GBytes Memory per Node,

1000M High-speed Network Interface Card,

1000M Bites Switch.

I11. OPTIMIZED PROGRAMS FOR SCBM
In this part, several proposed programs are tested
to derive some efficient improvements for SCBM in
grounding system.
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A. The layered SCBM

As pointed out in Section D of Part Il in [14], TGR
of SCBM whose conductivity is linear or parabolic type
varied, can be as low as the resistance of a totally high
conductivity SCBM. However, it is not easy to produce
continuous varied conductivity SCBM in practice, thus
layered SCBM is proposed. The permittivity in each layer
is the same, but the conductivity decreases gradually
from the inner layer to the outer layer.

metal rod

liting line

(a) (b)
Fig. 2. Layered cylinder SCBM.

In this section, a 2-D cylindrical coordinate area of
the proposed TGR calculation area in part IV of [15] is
occupied, and the SCBM dimension is the same as that
in [15]. The cylinder SCBM is produced into three layers,
as shown in Fig. 2.

The cylindrical SCBM is 150 mm in radius and 800
mm in length, and the metal rod radius is 5 mm. Here the
main body of SCBM is divided into three layers, and the
inner layer (layer I) radius is 45 mm and the outer two
layers (layer II and IIT) are both 50 mm in radius.

Two cases of layered SCBMs are tested here, where
conductivity decreases more smoothly in case II than
case I, and the conductivity of the two SCBMs decreases
from inner layer to the outer layer gradually. The
conductivity of the two cases are listed in Table 1, and
the relative permittivity in the three layers are all set at
£~10.0.

Table 1: Conductivity of the three layered SCBM

Layer I Layer II Layer III
Case | 0.5 S/m 0.1 S/m 0.02 S/m
Case 11 0.5 S/m 0.2 S/m 0.08 S/m

The computational grid size is A=A,=A.=5 mm and
the time step is A==A/2¢, where c is the speed of light.
The simulation is carried out 240000 time steps, which
equals to 2 ns, and the TGR is calculated through (2).
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Fig. 3. TGRs of the layered SCBM compared with liner
varied conductivity SCBM.

In Fig. 3 is graphed the TGRs of the two cases
of layered SCBM, where the TGR of linear varied
conductivity SCBM given by (8) of [15] is also presented
for comparison. It can be seen that the three SCBMs
has similar early performance from 0 to 0.05 ps, while
performance varies after 0.05 ps. The steady grounding
resistance is 45.06 Q for case I and 43.70 Q for case II,
compared with 43.66 Q for linear varied SCBM. It is
clear that the layered SCBM of case 11 performs similarly
as the linear varied SCBM. Thus, it can be concluded
SCBM can be produced into several layers with
conductivity decreasing gradually from inner layer to
outer layer, and smooth conductivity reduction between
layers would result in a better grounding performance.

B. SCBM shape effect on TGR

SCBM can be made into different shapes, but how
SCBM shape will affect the grounding performance have
not been studied, thus it is needed to test shape effect
on SCBM’s TGR. In this section, three typical SCBMs
are tested, as shown in Fig. 4. The lengths of the three
SCBMs are all 800 mm in this section, and buried
vertically with the upper side of the SCBMs 500 mm
below the air-ground interface. To

In Fig. 4 (a) is the sectional dimension of the cube
SCBM, which is 150 mm in each direction, the sectional
area is 2.25x10* mm2. In Fig. 4 (b) is graphed the
sectional dimension of cylinder SCBM, whose radius is
85 mm and the sectional area is 2.27x10* mm?2. In Fig.
4 (c) is graphed the sectional dimension of the cuboid
SCBM, which is 380 mmx60 mm and the sectional
area is 2.28x10* mm?. To simulate the problem with less
computational error introduced by three dimensional
cubic FDTD cell modelling, cube metal rod is occupied
here. Cylinder SCBM in Fig. 4 (b) is simulated by
conformal grids [12]. It is worthy of noting that the
sectional area of the three SCBMs is close to each other,

ACES JOURNAL, Vol. 36, No. 4, April 2021

which means similar material will be consumed in the
production of the three SCBMs.

E
=
<
n
metal rod metal rod
(a) Cube SCBM (b) Cylinder SCBM
l 380 mm |
60 mm
metal rod
(¢) Cuboid SCBM

Fig. 4. Typical SCBM shapes tested.
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Fig. 5. TGRs of three typical shape SCBM.

In this section and below, three dimensional FDTD
simulations are occupied. The computational grid size is
A=A=A,=A.;=5 mm and the time step is Ar=A/2c, where
¢ is the speed of light. The simulation is carried out
120000 time steps, which equals to 1 ps, and TGR of
SCBMs are calculated through (2). TGR of the three
SCBMs in Fig. 4 is simulated and graphed in Fig. 5.

From Fig. 5, it can be seen that the three SCBMs has
similar early performance from 0 to 0.05 ps, however
varies after 0.05 ps. The steady resistance is 81.31 Q for
cylinder SCBM, 82.91 Q for cube SCBM, and 70.86 for
cuboid SCBM. Thus, it can be concluded cuboid shape
is a more efficient shape for SCBM which can result in
smaller grounding resistance at similar high conductivity
material usage.



C. Holes on SCBM main body

To test effect of holes on the SCBM main body on
TGR, two SCBMs with four penetrating square holes
on each SCBM are tested, and sectional dimensions are
shown in Fig. 6. Vertically cube buried SCBM is adopted
in this section, whose size is 150 mmx150 mmx=800 mm,
and buried 500 mm below ground. The four square holes
are located symmetrically on SCBM main body, and the
distance between two neighboring holes is 30 mm. The
square hole’s width is 25 mm and 35 mm for the two
SCBMs respectively. It worth to note that the four holes
are filled with ordinary soil when buried, and the relative
permittivity of ground is &~10.0 and the conductivity is
0,=0.004 S/m.

150 mm 150 mm

j25 mm 35 mm

.30 mm 30 mm

150 mm
150 mm

metal rod

(b) SCBM with
4x35mm holes

metal rod

(a) SCBM with
4x25mm holes

Fig. 6. SCBM with different size holes.

To analyze the holed SCBM’s performance, we
monitored electric field component distribution firstly,
as shown in Fig. 7. It is worthy of noting that the SCBM
locates at the center of the two figures, that is xE(-7.5
mm, 7.5 mm), z € (-7.5 mm, 7.5 mm). In Fig. 7 is showed
the horizontal electric field Ej in xoz plane, which is
given by:

E,(X,2)= \/Ef(x, 7)+E}(x,2), (5)
where Ei(x, z) and EAx, z) are the electric field

component in x and z direction in xoz plane respectively.
Since electric fields located at half space steps in FDTD.

It worth to note that E.(x, z) is get from %(EX(X+A2—", z)
+Ex(x-%", z)) and E.(x, z) is get from %(Ez(x, z+A2—z)+
E.(x ,z—%).

It can be seen from Fig. 7 that electric field in the
SCBM main body is lower than the surrounding area,
and the electric field at the four corners of the cube
SCBM is much higher than other places. In the SCBM
main body, the electric field increases from the center to
the outer edge. It can also be seen that lightning current
flows from the SCBM to the surrounding areas and
amplitude decreases as the distance from SCBM edge
increases. The electric field in the SCBM is much lower
than surrounding soil, which demonstrates SCBM
performs well to conduct lightning electricity. However,
electric field component £ distributes continuously in

XIONG, YIN, YANG, LIU, LI: SHAPED CONDUCTIVE BACKFILL MATERIAL

the SCBM main body even though there are four holes
located, and the holes are not visible in Fig. 7, which
means effect of holes on SCBM’s current-carrying
capacity is limited.

20

15

0.000

5.875E+06
1.175E+07
1.763E+07
2.350E+07
2.938E+07
3.525E+07
4.113E+07
4.700E+07

10

Fig. 7. E; distribution in xoz plane.
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Fig. 8. TGR of SCBMs with different size square holes.

Besides field distribution, we also monitored TGRs
of the two SCBMs, as shown in Fig. 8, where the TGR
of'a same size SCBM without any hole on the main body
is also presented as reference. From Fig. 8, it can be seen
that TGR is nearly the same for the two SCBMs with
holes. The steady resistance for the SCBM shown in Fig.
6 (a) is 82.71 Q, and 82.93 Q for the SCBM shown in
Fig. 6 (b), compared with 82.40 Q for a same size SCBM
without any hole.

Additionally, we also tested round holes effect on
SCBM’s TGR. Two size holes are simulated here, as
shown in Fig. 9. In Fig. 9 (a) is shown the SCBM where
radius of the four holes is 20 mm and the distance
between two neighbouring holes is 40 mm; while in Fig.
9 (b) is the SCBM where radius of the four holes is 30
mm and the distance between two neighbouring holes
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is 20 mm.

150 mm

metal rod metal rod

(a) Radius of the 4
holes is 20mm

(b) Radius of the 4
holes is 30mm

Fig. 9. SCBM with different size holes.
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Fig. 10. SCBM with different radius round holes.

Figure 10 graphs TGRs of the two SCBMs shown in
Fig. 9, where the TGR of a same size SCBM without any
holes on the main body is also presented as reference. It
can be seen that there is mild difference between TGRs
of the two SCBMs with holes. The steady resistance for
the SCBM of Fig. 9 (a) is 82.78 Q, and 83.70 Q for the
SCBM of Fig. 9 (b), compared with 82.40 Q for a same
size SCBM without any hole. From the analyses in this
section, it can be concluded that holes can be made on
SCBM main body to reduce high conductivity material
usage.

D. Vertically buried versus horizontally buried

At some places it may be costly to dig deep enough
to bury SCBM vertically, so it is needed to evaluate
the cost and SCBM buried position. To study the
SCBM buried position effect, we compared TGRs of a
same SCBM buried vertically versus horizontally. The
dimension of the SCBM is 380 mmx60 mmx800 mm,
and two burying depths are tested. The horizontally
buried SCBM is as shown in Fig. 11, where d is burying
depth of SCBM’s upper side below ground. The burying
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depth is d=500 mm and d=1300 mm respectively here.
The upper side depth of the vertically buried SCBM is
500mm, and the down side depth is 1300 mm. TGRs of
the three cases are monitored as shown in Fig. 12.

air-ground interface

z
d x*

y

~ SCBM
soil

Fig. 11. The horizontally buried SCBM.
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Fig. 12. Resistance of horizontally buried SCBMs.

From Fig. 12, it can be seen that the horizontally
buried SCBMs’ performance is quite different from
the vertically buried one. The steady resistance of the
horizontally buried SCBM is 80.89 Q when d=500 mm,
and 67.75 Q when d=1300 mm, compared with 70.96 Q
for the vertically buried SCBM. From comparison of
horizontally buried SCBM with vertically buried SCBM
at the same depth d=1300 mm, there is only a 2.21 Q
resistance improvement for horizontal position, but that
would result in a quite larger amount of soil excavation
in construction. Thus, it suggested to bury SCBM
vertically when ground soil permits, otherwise bury
SCBM horizontally and greater depth of the horizontally
buried SCBM would result in smaller resistance, but the
effect of increasing the buried depth on the resistance
reduction is limited.
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Fig. 13. Series SCBM to be buried.

£
£
&
o

Fig. 14. Dimension of series SCBM.
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Table 2: Parameters of 5 Series SCBM

Case | Case | Case | Case
I 1 11 v V

L; (mm) 450 350 475 275

L> (mm) 50 150 150 250 0

n (number) 10 10 8 8 1

E. Series SCBM performance

To get a low-level grounding resistance, SCBMs
are connected horizontally into series SCBM in practice,
as shown in Fig. 13. However, the series SCBM
performance has yet been studied. In this section, the
metal rod of SCBMs is connected one by one to make a
series SCBM and grounding resistance is studied as the
SCBM numbers and distance between SCBMs varies. It
worth to note that to avoid the grounding system’s effect
on the accuracy of the simulated TGR as pointed out in
[17], the series SCBM are buried in the —z direction,
whereas the transient voltage Vi in (4) is integrated in
+z direction. The series SCBM is connected to lifting line
at x=0 mm, z=0 mm.

The total length of the series SCBM is 5 m, and
all the SCBMs are of the same size for each case. The
length of each SCBM is L, and the distance between two
neighbouring SCBMs is L, as shown in Fig. 14. In all
cases, the SCBMs are 380 mm in width and 60 mm in
depth, but length L, varies. The SCBMs are connected
by metal connecting electrodes with sectional dimension
10 mmx10 mm, and the series SCBM is buried 300 mm
below the ground surface.

E (x.2) | (\VIm)

h

" -0.2980
| -0.2420

-0.1860
|

-~0|300

-0.07400
-0.01800

0.03800

E (x,2) | MV/m

Y

0.09400
0.1500
0.2060

s 02620

Fig. 16. Ey(x, z) distribution in the series SCBM area.

In this section, 5 cases of series SCBM are tested, as
shown in Table 2. There are 10 SCBMs connected for
case | and case Il, and the length of each SCBM is
L1=450 mm and the distance between two neighbouring
SCBMs are all L,=50 mm for case I, while L;= 350 mm
and L,=150 mm for case Il. The connected SCBMs
number is 8 for case Il and case 1V, and L1=475 mm and
L, =150 mm for case 1, while L;=275 mm and L,=250
mm for case IV. Additionally, the extreme condition case
V, where L, =0 mm, is also included as for comparison.

To analyse series SCBM performance, we firstly
monitored field distribution Ex(x, z) in SCBM plane of
case |, which is calculated by (5). In Fig. 14 is graphed
En(X, ) in the series SCBM area, where x € (-190 mm,
190 mm), & (-5000 mm, 0 mm). And Fig.15 graphs Ey(x,
z) in the series SCBM area.

Firstly, it can be seen that the electric field in each
SCBM is much lower than that in the space area between
SCBMs, which means all the SCBMs play positive role
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in flowing lightening current to the ground. Secondly,
electric field E, and E, amplitude decreases from the
lifting line side to the opposite side in the series SCBM
length direction. Thirdly, electric field Ey increases from
the central part of series SCBM to the outer sides in the
width direction. Fourthly, from the comparison of Fig.
15 with Fig. 16, it can be seen that the electric field in
Fig. 16 is much larger than that in Fig. 16, which means
that horizontal direction is the main direction that
lightning current flows. Thus, it is suggested to use
cuboid SCBM horizontally buried to allow lightning
current flow horizontally in mountain areas, where only
a thin low resistivity soil is covered and high resistivity
rocks buried below.

Table 3: Steady resistance of 5 Series SCBM

Case | Case | Case | Case | Case
| 1] ] v \Y
L (mm) 4500 | 3500 | 3800 | 2200 | 5000
Resistance 20.35 | 21.41 | 21.18 | 22.52 | 19.69
Q Q Q Q Q
1504,
|
‘\"“-\ Horizontal =500 mm
120 1 L'\ —— Horizontal ¢=1300 mm
lll‘u Vertical
by
| “.\
g 901 "‘. <
& e
\_H_j - s oty S e S e
304
0.0 012 0j4 OTG 0j8 le
time /ps

Fig. 17. TGR of 5 cases series SCBM.

From both Fig. 15 and Fig. 16, it can be seen that the
electric field component in space areas between SCBMs
is very high, which means closely buried two SCBMs
will affect each other in flowing lightning current.
Further, it can be concluded that the SCBMs have not
performed sufficiently to flow lighting current to the
ground when there was only 50 mm between the two
neighbouring SCBMs.

Additionally, TGRs of the 5 cases series SCBM are
also calculated and graphed in Fig. 17. In Table 3 is listed
the steady resistance of the 5 cases, where the total
SCBMs length given by L=nxL, is also compared.

In Fig. 17, case V is used as a reference where the
distance between neighbouring SCBMs L is reduced to
0, which means one 5 m long SCBM is involved. From
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Fig. 17, it is clear that TGRs from 0 to 0.05 ps of the 5
cases are nearly the same, but transient resistance varies
after 0.05 ps. The resistance of case | to case IV are
both larger than that of case V after 0.05 us, however the
difference is not very significant. From Table 3, it can be
seen that more SCBM usage would result in a lower
steady resistance. Compared with a5 m long SCBM used
for case V, only 44% SCBM is used for case IV and there
is only a 2.83 Q more steady resistance gained. Thus, it
can be concluded that it is not needed to connect the
SCBMs one by one tightly in series SCBM, and some
distances is allowed without dramatically increase the
resistance but can dramatically reduce SCBM usage.

V. CONCLUSIONS

In this paper, some improvements are proposed
based on FDTD simulation for SCBM in grounding
systems. Firstly, the SCBM can be made into several
layers with conductivity decreasing gradually from inner
layer to outer layer, and smooth conductivity reduction
between neighbouring layers would lead to a better
grounding performance. Secondly, SCBM shape has
significant effect on its grounding resistance and cuboid
shape is a more efficient shape for SCBM which can
result in smaller grounding resistance at similar high
conductivity material usage. Thirdly, holes effect on
SCBM’s performance is studied, and it is found both
square and round holes can be made on the SCBM main
body when producing the SCBM, which will affect the
SCBM performance slightly. Fourthly, from comparison
of SCBM buried position effect on TGR, it suggested
to bury SCBM vertically when ground soil permits,
otherwise bury SCBM horizontally and greater depth of
the horizontal buried SCBM would result in smaller
resistance. Lastly, series SCBM performance is analysed
and results show it is not needed to connect the SCBMs
one by one tightly in series SCBM, and some distance
is allowed without dramatically increasing grounding
resistance.
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Abstract — The electromagnetic interference (EMI)
of the pantograph-catenary arc (PCA) to the main
navigation stations will be affected when the speed
of the high-speed train is changed. In order to study
the influence of the speed change, we measured and
analyzed the electric field intensity of the PCA
generated at common and neutral section of power
supply line at different train speeds. The frequency
range in this study is the frequency of the main
navigation stations (108 ~ 336 MHz). Both theoretical
and experimental results show that PCA radiation
increases with the increase of train speed. Besides, we
calculated the maximum train speed without interfering
the navigation signal. This work is useful for estimating
EMI of the PCA at different train speeds and mitigating
the interference to the navigation station near the high-
speed railway by proposing corresponding speed limits.

Index Terms — Airport navigation stations,
electromagnetic interference, pantograph-catenary arc,
speed of high-speed train.

I. INTRODUCTION

Nowadays, it is inevitable for the high-speed train
to enter the airport electromagnetic (EM) environmental
protection zone to facilitate the transfer of passengers
[1]. Therefore, it is necessary to evaluate whether the
pantograph-catenary arc (PCA) will interfere with the
airport navigation station [2]. However, the influence
of the train speed on the EM radiation of the PCA has
not been taken into account in the existing evaluation
process of potential EM interference (EMI) on the
airport navigation stations [3].

Some researchers used the arc simulation model or
experimental systems to study the effect of train speed
on voltage, current, power, and shape of the PCA [4-6].
In Ref. [7], researchers studied the relationship between
train speed and the PCA. However, their data came
from the simulation device in the reverberation
chamber, which is somewhat different from the actual
measurement results of the real train. Our team has
done many practical measurements of the PCA and
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assessments of the EM environment at airports [8-10].
But the impact of the speed change on PCA radiation
was not considered in previous studies.

As an extension of previous works, firstly, the
characteristics of the PCA generated at two typical
positions of the power supply line—common and neutral
sections are analyzed. Secondly, taking one high-speed
railway as the test object, the electric field intensity of
the PCA is measured at different train speeds. Thirdly,
the linear regression method is used to process and
analyze the measurement data. Then, the amplitude-
frequency characteristic curves of the PCA at different
speeds are fitted. It should be noted that the frequency
ranges are the frequency of main airport navigation
stations: Omnidirectional Beacon Station (OBS) (108 ~
117.975 MHz), Very-High-Frequency Communication
System (VHFCS) (118 ~ 136.975 MHz), and Glide
Beacon Station (GBS) (328.6 ~ 335.4 MHz). Finally,
the maximum train speed that can guarantee the airport
navigation signals to be normal is calculated. The
results of this paper can provide the basis for perfecting
the existing assessment of the airport EM environment.

1. ANALYSIS OF THE EFFECT OF TRAIN
SPEED ON THE PCA

A. Characteristics of the PCA at the common sections

The high-speed train gets electricity power by
connecting its pantographs to the power supply line.
The reason for generating the PCA at the common
sections is that there are some fixed hard-points on the
power supply line. When the train passes through the
hard-points, the pantograph and the line will be
separated for a short time. Besides, the diameter and the
convective power (Py) of the PCA will change with the
train speed. Moreover, Pk includes the convective
power generated by the transverse arc blowing (Pxr)
and by the longitudinal arc blowing (P«.) [11]. The
distance between the pantograph and the power supply
line (reom) is short. Thus, only Pkt exists because the PCA
is almost vertical as shown in Fig. 1.

P«r of the PCA can be obtained by [12]:

https://doi.org/10.47037/2020.ACES.J.360411
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P, =0.1464d (v +36)"°, 1

where Pt is Pxr per unit length of the PCA, v is the
train speed, which unit is km/h.

Power Supply Line Power Supply Line

Pantogra;i‘%j\> PCA
_ _
| | Air Curren Leom = Teom
v
[OINO) y
Steel Rail ——— Pantograph

\'

Fig. 1. Diagram of the PCA generated at the common
section.

The diameter of the arc (d) is reduced by the
transverse airflow and d can be calculated by [13, 14]:

1/
\/— 2
v+ 36
where | is the maximum value of the PCA current.
Pk’ can be calculated by Eqg. (1) and Eq. (2):

P, =0.1892/1 (v +36). 3)

The length of the PCA at the common section

(Lcom) is about 10 mm, which is the same as reom. The

convective power of the PCA at common sections
(Pxcom)) can be obtained by Eg. (3):

Pecom = P =P Lo =1.8924/1 (v +36),  (4)

k(com)
where Pycomy and radiation power (Pscom)) Of the PCA
account for approximately 80% and 20% of the total
dissipative power (Plosscom)), respectively. So Piossicom)
and Pscom) Of the PCA at the common sections are:

d =1.5369

_ pk(com)
Ploss(com) - 80% ' (5)

and
=20%P,

loss(com)

=0.473J/1 (v +36). (6)

s(com)

B. Characteristics of the PCA at the neutral sections

The reason for generating the PCA at the neutral
sections is that the pantograph need to be separated
from the original power supply line and enter into the
neutral line to realize the voltage phase conversion. The
distance between the pantograph and the power supply
line (rneu) is long. Thus, both Pxr and Py exist because
the PCA has an angle with the horizontal plane as shown
in Fig. 2. At this time, the length of PCA will be
elongated because of the multiple external forces, and
its stress diagram is shown in Fig. 3. Where Fuing is the
wind load force; Froat is the thermal buoyancy force; Frn
is the magnetic force (the direction is related to the
direction of magnetic field).

If the PCA keeps uniform motion in a short time
and the mass of it is negligible at high temperature.

Power Supply Line Power Supply Line

Pantograw A

A|r Current

1 Lneu

Q 0 1
= N pantograph

Ineu

Steel Rail

Fig. 2. Diagram of the PCA generated at the neutral
section.

float

wind I
L

Direction of train v
m 4—

Fig. 3. Force diagram of the PCA generated at the
neutral section.

The resultant force on the PCA is:
Fiing + Frie + Fn =0. )

Wi

If rney is 15 mm, the direction of the initial PCA is
vertical and the initial length is equal to rnew. The
diagram of the length of the PCA at the neutral section
(Lnew) variation with external force can be obtained by
simulation calculation, as shown in Fig. 4.

float
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| |
Lo | N N
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/“
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Fig. 4. Diagram of the Lqey change caused by the external
force.

The simulation results show that the PCA increases
with the arcing time until it reaches the critical length
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and extinguished. The maximum of Lney is about 49.2
mm. Therefore, the Lney is about 3.28 times of the rneu.

Based on the simulation and measurement data
from [15], rneu can be fitted by:

., =4571x10°v?+0.238v -1.411. €))
So,
L., =3.28r,,, =1.5x10*v*+0.78v —4.628. 9
PkL of the PCA at the neutral section is [16]
" 2 (Tc
P, =0.2182d vao CdT, (10)

where Py’ is Pie per unit length of the PCA, which is
produced by air heating from temperature To to the
average temperature of the arc Tc. To and Tc are 4000 K
and 9500, respectively. C is the heat capacity coefficient
of airand Cis [17]:

0.41

Pk’ can be derived by Eq. (2) and Egs. (9) ~ (11):
, v
P, =0.13JI . 12
« \/_v+36 12

The convective power of the PCA at neutral
sections (Pkrewy) Can be obtained by Eg. (3) and Eg.
(12):

P ey =/110.1892(v +36)+0.13—

v+36

]- (L5x10*v2+0.78v - 4.628).

(13)
It is similar to the above, Piossqesy and Psgeuy Of the
PCA at neutral sections are:

P (neuy
Ploss(neu) = 80::/: ! (14)
and
P = 0.25V/110.1892(v +36)+0.13ﬁ] -(L5x107v2+0.78v - 4.628).

(15)

C. The E values of the PCA at the common/neutral
sections

The values of E at different distances from the
PCA are unequal. According to Eqg. (6) and Eqg. (15),
E at 10 m away from the PCA at the common or neutral
sections (Ez1ocomimeuy) Can be derived by:

P
ElO(com/neu) = \/m. (16)
47-10

The unit of Eiocommeny IS V/m, which can be
converted to dBuV/m by:

ElO(comlneu) = 20 IOglo (\,0'3Ps(com/neu) ) +120 (17)

According to the above analysis, the train speed
affects the electric field intensity of the PCA by
affecting the radiation power of it. Besides, the faster
the train speed, the stronger the electric field of the PCA.
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I1l. PRACTICAL MEASUREMENTS

One high-speed railway (the maximum speed is
250 km/h) in the Sichuan Province of China is taken as
the measurement object in this paper. This railway is
divided into two parallel tracks for round trips. The
PCA usually occurs at the common and neutral sections
of the power supply line. For the former, the
measurement distance is the linear distance from the
antenna to the railroad, and for the latter, it is the
distance between the antenna and the neutral sections.
Figure 5 shows the scene of the practical measurement
(a) and the specific layout (b).

The linear distances from the antenna to the two
parallel tracks are 41 m and 52 m. Besides, the
distances from the antenna to the neutral sections are
79 m and 83 m, respectively. The height of the antenna
is2m.

High-speed railway

I‘j

antenna
antenna
(b) Layout diagram of the measurement

Fig. 5. The situation of the practical measurement.

According to the standards [4, 18], the polarization
modes of antennas are horizontal Bi-conical for OBS,
perpendicular Bi-conical for VHFCS, and horizontal
Log-periodic for GBS. Besides, the resolution
bandwidth is 120 KHz and the measurement time is 50
ms. In this paper, the following typical frequency points
of the airport navigation stations are selected:

1) 108 MHz, 109.7 MHz, 110 MHz, and 115 MHz
in the frequency range of OBS.

2) 119 MHz, 126.48 MHz, 128 MHz, and 135 MHz



in the frequency range of VHFCS.

3) 329.3 MHz, 330.5 MHz, and 332 MHz in the
frequency range of GBS.

The maximum value of E is used to analyze the
most serious radiation. For comparison purposes, the
results are converted to values at 10 m equivalent
distance by:

E,,=E,+nx20log,,(D/10), (18)

where Ejo and Ep are E at the distance of 10 mand D m
from the PCA; n is the coefficient related to frequency.
When the frequencies are 108 MHz and 109.7 MHz, n
is 1.2, and the others are 1. Due to the large amount of
measurement data, this paper does not list the complete
data. Table 1 lists the data obtained after the abnormal
measurement data were excluded by Grubbs method
[19] and replaced by retest.

Table 1: Part of testing data (v = 250 km/h)

Frequency E (dBpV/m) Distance (m) E10 (dBpV/m)

(MH?2) Common Neut.ral Common Neut'ral Comr_non Neut_ral
Section |Section| Section |Section| Section |Section

108 40.78 | 52.07 41 79 55.49 | 73.62
109.7 38.2 51.45 52 83 55.38 | 73.51
110 43.11 | 55.54 41 79 55.37 | 73.49
115 40.75 | 54.80 52 83 55.07 | 73.18
119 40.53 | 54.99 52 79 54.85 | 72.94
126.48 42.2 54.14 41 83 54,46 | 72.52
128 42.12 | 54.48 41 79 54.38 | 7243
135 39.7 53.68 52 83 54.02 | 72.06
329.3 35.93 | 47.49 41 83 48.19 | 65.87
330.5 33.84 | 47.89 52 79 48.16 | 65.84
332 35.88 | 47.86 41 79 48.14 | 65.81

1V. PROCESSING AND ANALYSIS OF
MEASUREMENT DATA
A. Amplitude-frequency curves of E of the PCA
To find out the relationship between frequency (f)
and Eio, the correlation between the two variables is
determined by [19]:

N _
D [10g,(f,)x Eyy |- N xlog, () x Ej
i=1

,(19)

r=

J(Z[Iogm 0T~ N xogy, (7))« (Y B’ ~N<Ey, )

where i is the ordinal number of the samples; N is
the total number of the samples; r is the correlation
coefficient between f and Eio. The parameters marked
with a hat denote the mean. N=11 and r~=-0.99 are
calculated by Table 1 and Eq. (19). The negative
correlation between f and Eio is very strong because of
re[-1, -0.75]. Therefore, the two variables satisfy the
linear correlation. The linear regression equation between
fand E1o can be expressed as:

E,, =alog,(f)+b, (20)
where a is the regression coefficient, and b is the
intercept. They are calculated by:
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3" [10g.,(1) Eyy ] N xiog (1) ¢ Ey
a= i=1

3 flog (1)F - Ndog (1) + @)

b=E,—-axlog,(f)

For OBS, VHFCS, and GBS (108 ~ 336 MHz),
when the train passes through the common section at a
speed of roughly 250 km/h, a = -15.08 and b = 86.15
can be calculated by Eq. (21). Thus, the relationship
between f and Exo is derived by:

E,, =-15.08log,, () +86.15. (22)

Similarly, the curves of f and Eio at different
speeds can be obtained, and the relevant parameters are
shown in Table 2.

Table 2: The parameters of relation curves

Frequenc . Speed

(l\(jIHz) Y| sie (kFr)n/h) a b
80 -12.59 | 73.19
Common 110 -13.59 | 76.39
Section 130 -14.05 | 78.46
108 ~ 336 175 -14.78 | 82.15
(OBS, 250 -15.08 | 86.15
VHFCS, and 110 -15.05 | 97.44
GBS) Neutral 130 -15.15 | 98.44
Section 180 -15.32 | 100.54
200 -15.50 | 102.74
250 -16.00 | 106.15

B. EMI limit of navigation signals

This high-speed train will cross the extension line
of an airport runway. The locations and distances are
shown in Fig. 6, where X is the intersection of the
railway and extension line of airport runway; h is the
altitude of the aircraft from X; ds1, ds2, and ds3 are the
distances from OBS, VHFCS, and GBS to the airplane.

Airport

| 4000 m

Fig. 6. The location and distance of the navigation
equipment, aircraft, and intersection.

The signal strength (Es) of the navigation stations
is specified by [20]:
E.=134.77 +10log,, P +G —20log,, d., (23)
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where P and G are the transmission power and the
antenna gain of the navigational equipment; ds is the
distance from the navigational equipment to the aircraft.
The relevant parameters of the navigational equipment
in this paper are shown in Table 3, where R is the margin
to ensure normal navigation signals. At the same
frequency, the signal strength (Es) of the navigational
stations should be at least R dB more than the E value
of EMI, namely, Es—E > R.

Table 3: Relevant parameters of navigation equipment

Name | P (W) | G (dB) ds (m) R(dB)
OBS 50.0 2 ds1= 4000.3

VHFCS 20 5 ds»=1001.4 20
GBS 9.5 14.3 ds3=4031.5

According to Eg. (18), Eqg. (23), and Table 3, the
maximum limits of EMI at the distance of 10 m
(E1o(Limity) can be calculated by:

Eocimn =94.77 +10log,, P + G+20log,, %
S

where d, is the distance from the PCA to the airplane.

Based on Fig. 6, Table 3, and Eq. (24), E1o(Limit Of
OBS, VHFCS, and GBS are 71.93 dBuV/m, 70.88
dBpV/m, and 89.05 dBuV/m, respectively.

According to the above results, the influences of
the train speed on Eio of the PCA in the frequency

(24)

OBS (108 - 117.975 MHz)

VHFCS (108 - 136.975 MHz)
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range of OBS, VHFCS, and GBS are shown in Fig. 7
and Fig. 8.

As shown in Fig. 7 and Fig. 8, Ei of the PCA at
the neutral sections is approximately 18 dB higher than
that at the common sections. Besides, Eio does not
exceed Eiowimiyy when the train passes through the
common sections. However, for neutral sections, Eio in
the frequency range of OBS and VHFCS will higher
than Eiowimiyy if the train exceeds a certain speed.
Therefore, the X point in Fig. 6 is a sensitive position
for OBS and VHFCS.

OBS, GBS, and VHFCS (108 - 335.4 MHz)

——s80km/h

=+=+=110 km/h
130 km/h
175 km/h H

====-250 km/h

E10(com) (dBuV/m)

120 140 160 180 200 220 240 260 280 300 320

Frequency (Hz)

Fig. 7. Diagram of the relationship between the speed
and Eyg at the common sections.

GBS (328.6 - 335.4 MHz)

— o — w10k — o
E————. == 130 kmin I,
180 km/h 180 km/h 180 km/h
& 200 km/h 8o 200 km/h 80| 200 km/h
R odny ===+ 250 kmin === 250k
z Eio(imin = 71.93 dBpV/m e =
> / ST E1o(imity = 70.88 dBuV/m S
z ¥ A / Z
a M ¥ -l a
) k=] =)
=k ~ 70 ~
3 = =
= s 2
£ £ 2
S S e S e
m = =
sn L 601
108 109 110 111 12 113 114 115 116 17 118 55, L L L L L L L L L - L L L L L L
Fre uenc (HZ) 118 120 122 124 126 128 130 132 134 136 138 328 329 330 331 332 333 334 335 336
quency Frequency (Hz) Frequency (Hz)

Fig. 8. Diagram of the relationship between the speed and E, at the neutral sections.

Common Section (v=80km/h)

Common Section (v=130km/h)

Common Section (v=250km/h)

Measurement Data+)|

——— Theoretical Data«

E10(com) (dBpuV/m)
5 a ]

s
E10(com) (dBpV/m)

L L L
12 12 18 1 28

Measurement Data+

Measurement Data+

1 ——— Theoretical Data+
Theoretical Data+

E10(com) (dBpV/m)

L L L L
12 12 18 18 32

s 2z 22 24 26 3 a2
Frequency (Hz) w10

Frequency (Hz) 10

Fig.

12 14 1e 18 2 22 24 28 28 3 32

Frequency (Hz) %10

L L L L
22 24 26 28 3 a2

9. Comparison of E;o of measurement and theoretical results at the common sections.
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Neutral Section (v=110km/h)

Neutral Section (v=180km/h)
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Neutral Section (v=250km/h)

Measurement Data+

———— Theoretical Data«

E10(neu) (dBpV/m)
E10(neu) (dBpV/m)

Measurement Data+'

Measurement Data

———— Theoretical Data«

——— Theoretical Datac

E10(neu) (dBuv/m)

e 2 2z 24 2¢ 28
Frequency (Hz)

sz 22 2: 28 2%
Frequency (Hz)

Frequency (Hz) )

Fig. 10. Comparison of Eyo of measurement and theoretical results at the neutral sections.

V. CALCULATION OF THE LIMITS OF
TRAIN SPEED
The Eiocom) Values of the train passing through the
common sections at a speed of 80 km/h, 130 km/h, and
250 km/h can be calculated by using Eg. (6) and Eq.
(17). Its amplitude-frequency relation at 108 ~ 336
MHz can be obtained by Fast Fourier Transform (FFT).

The results compared with the measurement data of Fig.

7 are shown in Fig. 9. Similarly, Eiopeyy Of the train
passing through the neutral sections at a speed of 110
km/h, 180 km/h, and 250 km/h are shown in Fig. 10.
The average errors of Eio are shown in Table 4,
which the error is within 10%. It is reasonable because
of the error of practical measurements.

Table 4: The Eio Error between measurement and
theoretical data

Frequency Site Speed | Average
(MHz2) (km/h) Error
108 ~ 336
(OBS, VHFCS, Common 80 6.52%
and GBS) Section
130 6.96%
250 4.84%
Neutral 110 8.37%
Section 180 7.87%
250 6.65%

As can be seen from the theoretical analysis, the
radiated power of the PCA increases with the train
speed, which is the main reason for E of the PCA
increases with the speed. The maximum train speeds
without affecting the signals of the OBS and VHFCS
are calculated by Eq. (6), Eg. (15), and Eq. (17). As
shown in Fig. 11, Eio in the frequency ranges of OBS
and VHFCS exceed Eioimity (71.93 dBuV/m and 70.88
dBuV/m) when the train speed beyond 225 km/h and
215 km/h, respectively.

OBS (108-107.975 MHz)

74

(225, 71.93)

80 100 120 140 220 240 260

Train 1S&;)eedw(ukm/ f:;o
(@) In the frequency range of OBS
VHFCS (118-136.975 MHz)

(215, 70.88)

E10max(neu) (dBuV/m)

80 100 120 140 160 180 200 220 240 260

Train Speed (km/h
(b) In the frequency range of VHFCS

Fig. 11. The curve of the relationship between v and Eio
maximum at the neutral sections.

VI. CONCLUSION
The influence of the train speed on the electric field
intensity (E) of the PCA in the frequency ranges of
OBS, VHFCS, and GBS is studied. The conclusions are
as follows:
1) If both the speed and the frequency are the same,
E at the neutral sections is nearly 18 dB higher than that
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at the common sections. Namely, the PCA at the
common sections tends to cause less interference.

2) The E values will increase with the train speed
at the same frequency range, but it will decrease at
higher frequencies. In other words, high-frequency
navigation stations (like GBS) are immune to the EMI
generated by the PCA.

3) In order to avoid the interference of the PCA on
the navigation stations, the neutral sections should not
be designed in sensitive positions (like X in Fig. 6) in
railway design. If it is inevitable, the train should slow
down (not exceeding 215 km/h) when it passes through
the sensitive positions.

4) The main reason that the train speed affects E is
that the speed can cause the change of the PCA length
and further impact the radiation power of the PCA.

To sum up, the speed of high-speed trains can affect
the EM radiation of the PCA. Defining appropriate
speed limits can alleviate the EMI caused by the PCA to
the nearby navigation stations.
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Abstract — This paper proposes a new metasurface to
improve gain for dipole antenna. The antenna includes
two sets of two elements (1 x 2), the integrated J shaped
baluns, five metasurface cells (each metasurface cell
consists of 5 periodic metallic plates printed on a thin
low-cost FR4 substrate) for four antenna elements and
the antenna is supplied by two T-junction power dividers.
The metasurface is designed to operate as reflection
surface. The antenna is designed based on RT5880 and
witnesses an overall size of 140 x 37 x 35.075 mm?
(2. 70 x 0.71x x 0.67A at 5.8 GHz), an isolation of
approximately 28 dB, a peak gain of 9.5 dBi, and a
radiation efficiency of 84%.

Index Terms — Dipole array,
metasurface, MIMO antenna.

gain enhancement,

I. INTRODUCTION

Metasurfaces are 2-D artificial material surfaces
(MTSs) consisting of periodic arrangements of small
inclusions in a dielectric host medium [1]. As its
definition, MTSs are two-dimensional periodic structures
and they are very thin compared to wavelength. Based
on these features, MTSs can be divided into two
categories, that are metafilm and metascreen. Recently,
MTSs are a significant topic that are getting much
attention of researchers thanks to highlight features such
as less-lossy (due to having less physical space than 3D
metamaterial structures), light-weight, easy fabrication,
flexible [2]. Thanks to all above characteristics, there
are wide ranges in applications of MTSs, for example:
controllable smart surface [3], miniaturized cavity
resonators [4], waveguide [5], biomedical devices [6]
and so on [7], [8].

Besides, along with the development of modern
wireless communication systems such as 5G, wireless
local area network (WLAN), Global Positioning System
(GPS), and so on, the demand for antennas with compact
size, high gain and isolation, low cost has increased. A
lot of antennas with different solutions to improve
parameters have been reported, for example: artificial
magnetic conductor (AMC) [9], defected ground structure
(DGS) [10], epsilon negative transmission line (ENG-
TL) [11], meander line [12]. In [9], the authors proposed
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an antenna for WLAN applications. Although the antenna
achieves a high isolation (22 dB), gain is not good
(7.3 dBi). Similarly, a magneto-electric dipole antenna
with defected ground structure is presented in [10]. The
antenna has a large bandwidth percentage (86.9%), but
gain is only 7.2 dBi. This also appears with the proposed
antennas in [11] and [12]. Moreover, antenna in [12] is a
MIMO antenna, not only gain value is low (5.43 dBi),
but also there is a low isolation (13 dB).

For the above reasons, a MIMO antenna dipole
antenna with enhanced gain is presented in this paper. To
enhance gain for antenna, metasurfaces are utilized and
they are placed under each element. Here, metasurface
acts as a reflective surface and its operating principle is
based on Huygens—Fresnel principle. Each metasurface
plate is a lattice including 5 metallic plates. In addition,
to reduce cost, while the power dividers and elements
are implemented on RT5880 (h = 1.575 mm, & = 2.2,
and tand = 0.0009), metasurfaces are realized on FR4
(h=1.6 mm, & = 4.4, and tand = 0.02). The antenna is
designed for WLAN applications. At the 5.8 GHz, a
peak gain value of 9.5 dBi and a high isolation of 28 dB
are obtained. Furthermore, the antenna achieves a
high efficiency of 84% at the resonant frequency. The
measured results are compared to the simulated ones to
verify the performance of the proposed antenna.

I1. ANTENNA DESIGN

A. Metasurface structure

The unit-cell model of the metasurface structure is
shown in Fig. 1 (a). The metallic plate is printed on the
top side of FR4 substrate while the opposite side is
ground plane. Initially, this model is constructed based
on electric-LC resonator in [13]. By the modification
in the shape of structure, the paper got a new structure
as shown in Fig. 1 (a) while the reflection phase of
the proposed structure is displayed in Fig. 1 (b). The
configuration of metasurface includes a square at center
and four squares at four corners.

The proposed structure yielded at the resonant
frequency of 5.8 GHz. From Fig. 1 (b), we can see that
the bandwidth of the proposed metasurface is 5.5 — 6.5
GHz for a fluctuation of reflection phase from -90° to
+90° [14]. In which, the reflection phase is O degree at
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5.9 GHz. It is clear that the proposed structure has a large
bandwidth and it is enough to satisfy for operating range
of frequency of antenna.

-

Reflection phase [degree]

BiGbbioweniEd

25 60 &8s
—— Frequency [GHz]

(a) (b)

Fig. 1. The metasurface structure: (a) the model of the
unit-cell, and (b) reflection phase.

Dipole

Sub. #1
|Metasurfacc Balun v |
Z
I ;
GND Sub.'#2
(a)

Lar

|74
W,

i Icy.Cr

|=-',_"IDD[J_\":| d, g:ﬁ_g

\lm‘\ :i.l* [ I‘TI ]

a
E:UUEE / 1gau[@
L| [O527 i el

©

Fig. 2. The geometry of an antenna element: (a) cross-
sectional view; (b) dipole and balun; (c) metasurface.

B. Geometry of the antenna

Firstly, Fig. 2 shows the geometry of an antenna
element. It includes a dipole, a J shaped balun, a
metasurface and ground plane. The dipole is printed
on the upper side while J-shaped balun is placed on
the bottom side of substrate-1. Similarly, there are
metasurfaces at center of the top side and the opposite
side is ground plane for substrate-2. Here, the kind of
utilized dipole is half-wavelength at frequency of 5.8
GHz and it is realized on RT5880 (& = 2.2, tand =

0.0009, and thickness of h = 1.575 mm). Meanwhile,
metasurface is a lattice including 5 unit-cells, which is
implemented on low-cost FR4 substrate (e = 4.4, tand =
0.02, and thickness of h = 1.6 mm). In addition, four
holes are created for using plastic piles to keep two
substrates. Table 1 shows some parameters of an
element.

In addition, an indispensable component in antenna
array is power dividers. To achieve low profile and easy
fabrication, T-junction power dividers is used and they
are printed on RT5880 substrate. Fig. 3 (a) illustrates the
model of power divider and its principle is presented in
[15]. Because this is the equal power divider, in theory,
S»1 and Sz are -3dB. However, due to effect of mutual
coupling and other reasons, S21 and S31 values are -3.3
dB at 5.8 GHz for simulation as shown in Fig. 3 (b).
Table 2 shows some parameters of power divider. While
the dimension of single antenna (1 x 2 elements) is 70 x
37 x 35.075 mm?, the size of MIMO antenna is 140 x
37 x 35.075 mm? (MIMO antenna consists two set of two
elements (1 x 2)).

Tablel: Some parameters of an element

W L lar | Wa | lao | las r Iy
275| 335 |275| 49 | 14.2 | 135 2 1
lir li> s | W | wr Cr dr I
3 20.55 9 145( 25 | 0.4 |0.25]0.725
#2 lsy #3 7
'I.'.if %IH
g-zs
w - 1
. g

Frequency [GHz]

(b)

Fig. 3. The model of power divider (a) and its S-
parameters (b).

Table 2: Some parameters of power divider

Iso Iy Wso ls s W3s
25 9.5 49 5.7 14.9 8

I1l. RESULTS AND DISCUSSION

As mentioned above, the goal of using metasurface
in this paper is to enhance gain for antenna. In this case,
metasurface acts as a reflection surface. For a better
understanding, the paper simulates in two cases with
and without metasurface and these simulated results are
shown in Fig. 4.

Observe Fig. 4, we can see that the presence of
metasurface is remarkably improved gain for antenna.
To make it more specific, gain values are 8 dBi and 9.5

4D 45 50 S5 &0 B85 70 75 80
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dBi at 5.8 GHz without and with metasurface, respectively.
This gain enhancement is based on Huygens-Fresnel
principle. We know that the Huygens-Fresnel principle
said that each point on a primary wavefront can be
considered to be a new source of a secondary spherical
wave and it can be propagated according to a certain
direction [16]. Therefore, in this case, when a plane wave
comes on the metasurface, the total reflected energy flow
from metasurface is the sum of reflection from all unit
cells. If the phase of the total energy is same the phase of
the excited wave in antenna, gain of antenna is enhanced.
Switch to Fig. 4 (b), although the isolation of antennas
is not improved at the frequency of 5.8 GHz, it is still
better in the frequency range of 4.5 — 7.0 GHz (deeper).
This shows that using metasurface not only enhances
gain, but also improves isolation for antenna. To
illustrate in more detail about gain enhancement for
antenna, the paper demonstrates the difference in E- and
H-fields between with and without metasurface. From
Fig. 5, we can see that for the H-field, the maximum
intensity value of antenna with metasurface (58.3 A/m)
is greater than the one of antenna without metasurface
(52.1 A/m). In contrast, for E-field, the maximum intensity
value of antenna without metasurface is greater than the
one with metasurface. This can be explained as follows.
The radiation intensity is given by [16]:

U= %Re(E x H)r2, 1)
with r is the distance.

Gain [dBi]

| —with metasurface
T - 1 -_without metasurface
48 50 55 e 85 70 45 50 55 80 85 0

54 | —— with metasurface
- - without metasurface
T —T—

Frequency [GHz] Frequency [GHz]

(@) (b)

Fig. 4. Gain values versus the frequency with and
without metasurface.

In addition, the directivity is calculated:
U
D=4 (2)
with Uy is radiation intensity of isotropic source.
Then, gain of antenna can be expressed as:
G=eD = e[%Re(EXH*)rZ]' (3)
Uo
in which e is the radiation efficiency of antenna.
Therefore, although the maximum intensity value of
antenna with metasurface is smaller than the one of
antenna without metasurface in E-field, gain of antenna
with metasurface is better than without metasurface. This
is because the radiation intensity of antenna (H-field)

ACES JOURNAL, Vol. 36, No. 4, April 2021

with metasurface (U) is much greater than the one of
antenna without metasurface. As a result, the product of
E- and H-field with metasurface is still greater than the
one of E- and H-filed without metasurface.

Figure 6 illustrates simulated gain for the different
lengths of metasurface substrate (L in Table 1) and the
various sizes of unit cell (wr in Table 1).

il g 9 9 g ol o 5 19321

(b)

Fig. 5. The intensity of E-field (a) and H-field (b):
without metasurface (up) and with metasurface (down)
when the first element is excited.

From Fig. 6 (a), we can see that at the frequency of
5.8 GHz, gain of antenna increases with increasing the
length of metasurface (L) substrate while the isolation is
guaranteed under -25 dB in three cases. Meanwhile, the
isolation of antenna is improved better (compared to the
change of the metasurface length (L)) with the different
sizes of unit cell (wy) (Fig. 6 (b)). In contrast, gain of
antenna with the various lengths of substrate is better
than the one of various dimensions of unit cell. For the
reflection coefficient, there is no significant difference
and the resonant frequency is ensured in all above cases.
This shows that while the changes of w, improve the
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isolation, the changes of L enhance gain for antenna.
By combining the changes of both above parameters, the
paper achieves an improvement for both gain and
isolation. Finally, the optimized dimensions of L and w
are 33.5 and 2.5 mm, respectively.

To verify the performance of the proposed antenna,
the prototypes of MIMO antenna are fabricated and
shown in Fig. 7. The size of an element is 33.5 x 27.5 x
3.175 mm? while the dimensions of single antenna and
MIMO antenna are 70 x 37 x 35.075 mm? and 140 x
37 x 35.075 mm?, respectively. Moreover, the elements
including dipole antennas, baluns, power dividers are
based on RT5880 (h = 1.575 mm, & = 2.2, and tand =
0.0009) while metasurface is implemented on FR4 (h =
1.6 mm, & = 2.2, and tand = 0.0009). The measurement
of antenna is implemented at Laboratory of Monolithic
Microwave Integrated Circuit (MMIC) & Applications
for Embedded Systems — International University, VNU
HoChiMinh City, Vietnam. The computed and measured
results consisting of the reflection coefficient, pattern
and directivity of the proposed antenna are compared
together and shown in Fig. 8 and Fig. 9. Observe Fig. 8,
we can see that there is a better impedance matching
in simulated result at resonant frequency. However, the
measured and simulated results are quite similar. In
addition, the working frequency range (from 5.74 GHz
t0 5.99 GHz) is still ensured under -10 dB and the mutual
coupling is -28 dB (for both simulation and measurement).

1
—=—L =30.5mm

—L=32mm

1 —--L=34mm |y 20

Gain [dBi]

" ——L=305mm
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Frequency [GHz] Frequency [GHz]

Gain [dBi]

5 T T v T ; ; : '
48 50 55 50 65 o 45 50 55 60 85 70

Frequency [GHz] Frequency [GHz]
(b)

Fig. 6. Simulated gain versus the different lengths of
metasurface substrate (a), and various sizes of unit cell (b).

Switch to Fig. 9, we can see that there is a difference
between simulated and measured results in xz and yz
planes. Here, the directivity of the MIMO antenna for
simulation is 10.16 dBi while this value for measurement

is 8.8 dBi at 5.8 GHz. This tolerance can be caused from
attenuation of FR4. However, the shapes of planes are
quite similar. In addition, as mentioned above, using
metasurface enhances gain for antenna by combining all
reflection flows from all unit cells that they are the same
phase. Then, the phase of the total flow from reflection
can be shifted compared to normal case (0°). As a result,
there is a slight shift in the main lobe of antenna as
in Fig. 9. In addition, there is a difference between
simulation and measurement results in xz and yz planes
of antenna. This error can be contributed from mistakes
in the fabrication progress. Moreover, the test
environment is not ideal and this leads the tolerance
in antenna measurement. However, these results are
acceptable. Moreover, the efficiency of antenna achieves
over 84%.

O

Fig. 7. The prototypes of the proposed antenna: (a) dipole,
balun, metasurface and ground; (b) power dividers; (c)
single array and MIMO antenna.
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Fig. 8. The measurement results of the reflection
coefficient: (a) single array; (b) MIMO antenna.
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Fig. 9. The measured results of pattern and directivity of
the proposed antenna: (a) directivity, (b) xz and yz planes
of single array; (c) xz and yz planes of MIMO antenna.

Figure 10 illustrates the enveloped correlation
coefficient (ECC) of the MIMO antenna. Here, ECC is
calculated by using formula in [17]:
— |S11S12+81522]" @)

(1-1S111%2-182112) (1-1S221%-1S1212)’

It is clear that the ECC of the proposed antenna is
less than 0.0025 in a wide frequency range from 5 GHz
to 6 GHz. This shows that the proposed antenna is
enough to respond for MIMO applications.

Table 3 shows a performance comparison among the
proposed antenna and recent MIMO antennas. It should
be noted that the proposed antenna concentrates gain
enhancement. In addition, it is difficult to find MIMO
arrays in papers. Currently, MIMO antennas in papers
are mostly MIMO single antenna (it means that MIMO
antenna has n ports in which each port is an element)
while the proposed antenna is two elements in each port.
As aresult, the size of the proposed antenna is larger and
this is natural. Observing Table 3, we can see that antenna
in [18] has a large bandwidth percentage (29.6%) and a
high efficiency (85%); however, the isolation between
elements is low (15dB). Similarly, an dual band and dual
polarization log-periodic dipole array is proposed for

Pe
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MIMO WLAN applications [19]. Although this antenna
achieves a wide impedance bandwidth (10% and 24%)
and a low mutual coupling (-20 dB), gain of antenna is
only 6 dBi. In addition, this MIMO antenna includes 12
elements (6 elements for horizontal polarization and 6
elements for vertical polarization) and a high complexity.
Meanwhile, there is a narrow bandwidth of the proposed
antennas in [19] and [20] although the isolations are high
(20 and 40 dB). Moreover, gain of the antenna in [21] is
not good (4 dB).

Table 3: The comparison among the proposed antenna
and recent MIMO antennas

References | [18] | [20] | [21] | [19] | [22] |
Frequency
[GHZ] 26 | 245 | 24 P.4/55 255 | 5.8
Bandwidth
[%] 29.6 | 25 | 2.2 |10/24| 56 4.3
Isolation
[dB] 15 | 20 | 40 | 20 | 10 28
Efficiency
(%] 85 X X X <90 84
Gain
[dBi] X X 4 6 4 9.5
Size 0.69 x|0.82 x|0.96 x| 1.2 x |0.85 x| 2.7 X
) 0.69 x|0.65 x|0.96 x| 1.2 x |0.85 x| 0.71 x
0.014|0.013| 0.18 | 0.48 | 0.21 | 0.67
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Fig. 10. The enveloped correlation coefficient of the
proposed MIMO antenna.

IV. CONCLUSION

A MIMO dipole antenna with enhanced gain by
using metasurface is proposed in this paper. The antenna
array consists of two sets of two elements (1 x 2) dipole
antenna with an overall dimension of 140 x 37 x 35.075
mms3. While the elements, baluns and power dividers are
fabricated on RT5880 substrate, metasurface is printed
on FR4 substrate. The antenna is yielded at 5.8 GHz
and witnesses a measured |S11| < -10 dB bandwidth of
5.74-5.99 GHz (4.3%). In addition, the proposed antenna
resulted in a pick gain 9.5 dBi (at 5.8 GHz), a radiation
efficiency of 84% and a high isolation of approximately
30 dB. With the above achieved results along with
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advantages such as low profile and, low cost and easy
fabrication, the proposed antenna is a good candidate for
utilizing in wireless communication systems.
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Abstract — In this paper, a metamaterial-based novel
antenna-mutual-coupling reduction structure is proposed
and demonstrated. The structure consists of a three-
layer metamaterial frequency selective surface (MFSS)
superstrate with split-ring resonators and metal grids.
The MFSS means metamaterial frequency selective
surface that has the metamaterial performance along the
substrate and the frequency selective characteristic on
the normal direction of the antenna array simultaneously.
A 1x2 MIMO antenna that has a short edge-to-edge
distance (0.037)ko) is designed as an illustration to
demonstrate the validity of the meta-surface for mutual.
When loaded with the proposed MFSS, the mutual
coupling between the antenna elements is significantly
reduced and the gain of the antenna array is improved by
2.5 dBi.

Index Terms — Frequency selective surface, gain, MIMO
antenna array, mutual decoupling.

I. INTRODUCTION

Multiple-input multiple-output (MIMO) technology
plays an important role in wireless communication
because it has the potential to increase the throughput
and capacity of the system [1-3]. Compared with
traditional MIMO technology, massive MIMO has the
advantages of serving more user terminals and possessing
higher energy efficiency and capacity [4-6]. In a massive
MIMO communication system, the antenna array usually
consists of tens or even hundreds of array elements that
are evenly devised with a special contour [4, 5]. For
mobile terminal or portable base station that has limited
physical space, as the distance between antenna array
elements reaches only a fraction of the wavelength, high
mutual coupling between them is inevitable.

Recently, many mutual decoupling techniques have
been studied [7-19]. Among them, the introduction of

Submitted On: January 15, 2021
Accepted On: March 17, 2021

decoupling network/structure such as directional couplers,
transmission lines with indirect coupling mechanism,
inverted T-slot on ground, and coupled resonators have
been reported in [7-9]. As the EBG can exhibit band-gap
characteristic to reject the surface wave with high
impedance [10], electromagnetic band gap (EBG) and
fractal uniplanar compact electromagnetic bandgap (UC-
EBG) structure with cross slots, and using periodic
mushroom EBG structures have also been investigated
to improve the isolation between array elements [10-14].
The defected ground structure (DGS) is also a mature
technology for isolation enhancement [15-17]. However,
etching a series of periodic DGSs on the metal ground
will damage the integrity of the ground plane, which
leads to leakage waves and deteriorated radiation patterns
of the MIMO antenna array.

In the past decades, metamaterials have received
much attention due to its unique characteristics such
as negative permittivity, permeability, and reflective
index [18-22]. In [18-21], antenna arrays integrated
with metamaterial substrate have shown significant
size reduction and lower mutual coupling due to the
high impedance property of metamaterial. Metamaterial
structures can also be suspended above the MIMO
antenna to obtain mutual coupling reduction. Even
though the suspended metamaterial can significantly
enhance the isolation of the MIMO antenna, its matching
performance is not ideal as the antennas are no longer
matched to free-space medium. Therefore, it is worthy
to further study other unique technique that can be
integrated with the previous designed MIMO antennas,
which can achieve good impedance matching, while still
maintaining desirable mutual decoupling performance.
Interestingly, in practical engineering applications, the
frequency selective surface (FSS) technique is mostly
used to reduce radar cross-sectional, realize beam
multiplexing and applied as a large bandwidth absorbing

https://doi.org/10.47037/2020.ACES.J.360413
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material [23-28], but it is rarely applied to achieve
mutual decoupling of array antennas. In recently, an
array-antenna decoupling surface has been proposed,
but, the mutual decoupling principle is different with
the principle in our paper. Partially diffracted waves
from the antenna decoupling surface can be controlled to
cancel the unwanted coupled waves for the antenna array
by using the array-antenna decoupling surface. There are
also some meta-surfaces have been proposed in [30, 31],
but the impedance of the meta-surfaces in these two
papers cannot match well with the antenna array.

In this paper, the technique of integrating the FSS
with metamaterial is proposed, in which a single cell
(three layers) MFSS structure operating at 5.5 GHz is
initially investigated. To further identify its mutual
decoupling ability, it is transformed into a metamaterial
superstrate (MS) (with 4x6 cells) that is suspended
above a conventional 1x2 patch array. Compared with
existing mutual decoupling techniques applied to MIMO
antenna, this work has the following technical merits:

1. A novel suspended MFSS superstrate is
proposed for mutual coupling reduction in MIMO
antenna

2. As the suspended MS is composed of a layer
of metal grids sandwiched by two layers of split ring
resonators (SRRS), it contains the properties of both
metamaterial and FSS simultaneously

3. Due to the effects of the FSS, the MFSS can
also aid in improving the gain of the antenna array.

4. Because the edge-to-edge distance between two
designated antenna array elements in this work can be
extremely small (0.037Ay), it can therefore be transformed
into a low mutual coupling massive MIMO antenna.

5. Compared with the meta-surface in [30] and
[31], the MFSS proposed in our paper has a merit that
the impedance of this MFSS can match well with the
original antenna array, so that it does not need any other
options improve the impedance matching between the
MFSS and original antenna array due to the frequency
selective surface characteristic of the proposed meta-
surface.

I1. DESIGN OF THE PROPOSED ANTENNA
ARRAY

A. Single cell MFSS design

Because the MFSS structure possesses the properties
of metamaterial and FSS simultaneously, it is instructive
to analyze the MFSS unit cell (Fig. 1) to understand its
operating principles. The MFSS unit cell is composed of
two stacked square FR4 substrates, each 1.6-mm thick
with relative permittivity of 4.4 and loss tangent of
0.02. The substrate is 6 mme6 mm in size. A 6 mme6 mm
square-ring metal grid with width t=0.1 mm is sandwiched
between two identical modified SRRs whose split gap
g=0.5 mm and size length a1=5.6 mm. As shown in Fig.

ACES JOURNAL, Vol. 36, No. 4, April 2021

1, propagation characteristics are first studied along
the x-direction. The boundary conditions are set to be
perfect magnetic conductors (PMC) and perfect electric
conductors (PEC), which used default isotropic
homogeneous slab model and leaner polarization, and
the default number of modes is 1. The polarization of the
incident wave in the waveguide model is the E-field
in z polarization with the H-field in y polarization,
meanwhile the incident wave of the metamaterial
frequency selective surface (MFSS) is TEM mode.

Omm

z e

1.6mm | ¥

1.6mm z

Top and
bottom
e\
lnculcnl;['w'_;
wave ,
Reflected ‘ Transmitted
.

Mwave
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Fig. 1. The geometry and dimensions of the proposed
single cell (three-layer) MFSS structure. Top and bottom
layers are split ring resonator (SRR) and the middle layer
is a metal grid. a1=5.6 mm, g=0.5 mm, t=0.1 mm.
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Fig. 2. (a) Simulated amplitude |Siijand |S2i1| and phase
of Sy1 and Sy1. (b) Extracted permittivity and permeability
with respect to frequency.

Figure 2 (a) shows the simulated S-parameters of
the structure and Fig. 2 (b) shows the correspondingly
extracted permeability and permittivity [32]. From Fig.
2 (a), it can be seen that the phase of S11 changes
drastically between 5.2 GHz and 5.7 GHz, while the
phase of the S21 remains almost constant at 0. In the
frequency range of 5.2-5.7 GHz, the isolation and return
loss are better than 21 dB and 23 dB, respectively. This
means that the proposed MFSS unit cell can be expanded
and applied as a mutual decoupling device for an antenna
array. According to the metamaterial theories, the
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resonant frequency and the negative permeability
frequency region is determined by the physical size and
the gap dimension of the SRRs.

Because the proposed MFSS unit cell shows negative
permeability in the 5-6 GHz bands, it is vital to study its
transmission characteristics along the z-direction with
respect to its physical dimensions (al, g and t). The
simulation setup is shown in Fig. 3 (a). As is shown
in Fig. 3 (b), the resonant frequency can be linearly
decreased from 5.83 GHz to 5.2 GHz by increasing al
from 5.5 mm to 5.7 mm. At al=5.6 mm, a resonant
frequency of 5.52 GHz is achieved. Correspondingly, the
S21 is approximately 1.2 dB [Fig. 3 (c)].
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Fig. 3. Simulation setup for incident wave along the z-
direction.

Figure 4 (a) and Fig. 4 (b) show the simulated S11
when parameters g and t are tuned, respectively. Here,
an increasing g from 0.5 mm to 2.5 mm will linearly shift

the resonant frequency from 5.52 GHz to 5.97 GHz.
Comparing the two cases where t=0 mm, i.e., no metal
grids, and t=0.1 mm, we can see that the resonant
frequencies are similar. However, it is worth mentioning
that the resonant frequency of S11 for t=0 mm will be
vanished when the position of the wave ports is the
same as in Fig. 1. From the above results, al=5.6 mm,
g=0.5 mm and t=0.1 mm is selected as the optimized
parameters. The equivalent circuits of the MFSS units
proposed in this paper has been given in Fig. 5. Due to
the effective permeability and the permittivity of the
metamaterial ware retrieved from the waveguide model,
where the incident waves are transmitted on the side
direction, therefore, the equivalent circuit given in this
paper is correspond to the side excitation. The SRRs on
upper and lower planes of this structure can produce an
inductance (L1) and capacitance (C1), which will result
in a band-stop region that has a negative permeability
and positive permittivity along the substrate of the
MIMO antenna, while the inductance (L2) in grid and
the capacitance (C1) can form another resonant that
results in a band-pass region on the normal direction
of the MIMO antenna. Compared with the existing
technology of mutual decoupling of the antenna array
by using the meta-surface, the meta-surface proposed
in this paper does not need any other options to improve
the impedance matching between the antenna array and
meta-surface. So, if we want to expend this structure into
another antenna array, we can apply it directly.
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Fig. 4. Simulation setup for incident wave along the z-
direction.
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According to the simulated results in Fig. 2 (b)
and Fig. 3 (b), it can be found that the MFSS means
metamaterial frequency selective surface, and this
structure owns the metamaterial property along the
substrate of the MIMO antenna, meanwhile it has a
frequency selective characteristic that can be found from
the Fig. 3 (b), which performs a band-pass characteristic
along the normal direction of the MIMO antenna.
Therefore, the MFSS has another metamaterial
characteristic comparing with the normal FSS structure.

: Cl

Fig. 5. Equivalent circuit of the MFSS units.
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Fig. 6. (a) The geometry and dimensions, and (b) the
simulated S-parameters of the proposed reference 1x2
MIMO array.

B. Design of reference 1x2 MIMO antenna array

To validate the mutual coupling reduction
performance of the proposed structure, a reference
antenna array is first presented Fig. 6 (a). The reference
antenna array consists of two identical microstrip antenna
elements on a 1.6-mm thick FR4 substrate. The antenna
elements are 12.7x10 mm in size and are separated by an
edge-to-edge distance of 2 mm. Both array elements are
centrally fed by a 50-coaxial probe. Figure 6 (b) shows
the simulated S-parameters between the two feedings
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of the reference antenna. Although a desirable resonant
frequency of 5.48 GHz and a 10-dB impedance bandwidth
of 6.25% (5.27-5.61 GHz) are achieved, undesirable
coupling of 5.71 dB is observed between the antenna
elements due to the tight spacing between them.

C. Design of MIMO antenna array with suspended
MFSS

To reduce the mutual coupling between the antenna
elements, the proposed MFSS structures are placed as
a superstrate 5-mm above the reference antennas. As
shown in Fig. 7 (a), the MFSS superstrate is composed
of 6x4 MFSS unit cells that collectively cover the
reference antennas. The center metal grid of each cell is
connected to those of the adjacent cells.

To understand the principle of the MIMO Antenna
array with the suspended MFSS, the radiation model
is shown in Fig. 7 (b). According to the space
electromagnetic wave propagation theory, the plane
electromagnetic wave can be expressed as: A(X)=Ao
ei(lcx*wt)_

When a superstrate comprised of the proposed
MFSS is placed above the reference MIMO antenna, a
negative permeability frequency band region can be
achieved, while its corresponding permittivity is positive
in this band. Therefore, the wave number in Age/* can
be expressed as:

k:ko'\/_|ur|'|5r|:jko'\/|ur|'|gr|’ 1)

where k is purely imaginary in the negative permeability
frequency band. As such, the electromagnetic (EM)
wave propagation is not allowed.
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Fig. 7. (a) 3D lllustration and (b) side view of the MFSS
loaded 1x2 MIMO array.

To better understand the mutual decoupling
mechanism of the MFSS loading, the simulated surface
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current distribution without and with MFSS loading
are presented in Fig. 8 (a) and Fig. 8 (b), respectively.
Without the MFSS loading, one can be seen that a strong
induction current appears on the right antenna patch
when the left antenna patch was fed by an excitation
source. In contrast, with MFSS loading, the induction
current on the right antenna patch is very weak. Thus, it
is obvious that the suspended MS can effectively reduce
the mutual coupling between antenna array elements.
Therefore, the surface current distributions of the
antenna array with and without the MFSS can fully
illustrate the mutual decupling principle of the antenna
array with the MFSS.

Jsurf [A_per_m]

2.5000e+001
1.8775¢+001
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Fig. 8. Surface current distribution of the proposed
MIMO antenna array (a) without MFSS loading and (b)
with MFSS loading.
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Fig. 9. Simulated electric field distributions in the XOZ-
plane for (a) without and (b) with the MFSS loading.

For the FSS, the properties change corresponding to
the different distance between antenna array and MFSS.
According to the simulation results, when the distance
between the antenna array and the MFSS is less than 5
mm, the electromagnetic wave radiated to the MFSS
cannot be regarded as a plane wave, which will result in
multipath interference in the space between antenna array
and MFSS. When the distance between antenna array
and MFSS is longer than 5 mm, the negative permeability
space of the MFSS cannot cover the antenna array. The
decoupling performance is best when the distance
between the antenna array and MFSS are suitably selected.
Yet, from the simulated surface current distribution of

the proposed MIMO antenna array in Fig. 8, it can be
observed the right antenna still exists induced current.

To further explain the above phenomena, the electric
field distributions of the proposed MIMO antenna
without and with MFSS loading are also shown in Fig. 9
(a) and Fig. 9 (b), respectively. As shown in Fig. 9 (a),
without MFSS loading, a large amount of electric field
is coupled to the right patch antenna. In contrast, Fig.
9 (b) shows that the electric field is directed toward
the broadside direction of the radiating antenna in the
presence of MFSS loading.

I1l. MEASURED PERFORMANCE OF
PROPOSED MIMO ANTENNA ARRAY
WITH MFSS LOADING

The proposed MIMO antenna array with MFSS
loading is fabricated and measured in an anechoic
chamber. A photograph of the fabricated device is given
in Fig. 10 (a). The measured and simulated S-parameters
of the fabricated prototype (with and without MFSS
loading) are shown in Fig. 10 (b). With MFSS loading, a
measured 10-dB reflection bandwidth of 5.13% (5.32—
5.6 GHz) is achieved at a center frequency of 5.46 GHz.
The measured S21 is better than 12 dB. Comparing with
Fig. 6, we can see that the isolation between the two
patch antennas can be enhanced by as much as 20 dB
without disturbing the impedance bandwidth. The
measurement and simulation generally agree well with
each other. The slight difference between the measured
and simulated results can be attributed to fabrication
tolerances.

, W/o MFSS(sim.)
w/o MFSStsim.)
) with MFSS(sim.)
, With MFSS(sim.)
LW ith MFSS(mea.
., With MFSS(mea

S-parameters(dB)

737 I B B B

-40

T T T T
5.0 52 54 5.6 58 6.0
Frequency(GHz)

(b)

Fig. 10. (a) The photograph of the fabricated device, and
(b) the measured and simulated S-parameters of the
fabricated prototype.
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Figure 11 shows the influence of various distance
between MIMO antenna and MFSS. It can be found that
when the distance between MIMO antenna and MFSS
is 5 mm, the mutual coupling between antenna array
elements is the lowest.
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Fig. 11. Simulated S-parameters with influence of various
distance h.

Figure 12 shows the measured radiation pattern of the
array with MFSS loading. The MFSS loading introduces
little perturbation to the radiation characteristics of the
antenna array. The measured peak gain with MFSS loading
is 7.5 dBi, which represents a 2.5-dBi improvement over
the reference array. This is because the MFSS superstrate
has aided in concentrating more energy into the band-
pass frequency band. The measured radiation efficiency
of the proposed antenna array with MFSS loading varies
between 67.03% and 74.17% in the 5.35~5.60 GHz range.
The calculated peak envelop correlation coefficient (ECC)
in the operating band is less than 0.011.

Table 1: Comparison with the state-of-the-art
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Fig. 12. The simulated and measured radiation patterns
of the proposed MIMO antenna array with and without
MFSS loading at 5.5 GHz. (a) XOZ plane and (b) YOZ
plane.

Ref. 10-dB BW Effective Size (c) | Gain/lso. Enhancement (dB) | Peak ECC/Gain Eff.
[7] 9.5% 1.075%1.075 0.33/33 NA/6.55 NA
[10] 2.5% 0.8350%0.550 NA/16 NA/NA NA
[11] 1.9% 1.9254,%0.965 g2 NA/9 NA/NA NA
[16] 1.9% 1.4853%0.8653 0.25/12 NA/NA NA
[19] 1% 0.813.475%0.353.475 NA/11 NA/4.37 NA
This work 2.7% 0.6955%0.4755 2.5/20 0.011/7.5 74.17

*Ref.= Reference, Iso = Isolation, Eff. = Efficiency, BW = Bandwidth.

The performance of the antenna is compared with
the state-of-the-art in Table 1. The proposed mutual-
coupling-reduction scheme shows smaller physical size,
higher gain, and efficiency.

1V. CONCLUSION
A high isolation and gain enhancement MIMO
antenna by using the MFSS loading is successfully
investigated. The performance of the MIMO antenna

with different dimensions is discussed, optimized and
fabricated. From the simulated and measured results,
it can be shown that the MFSS has exhibited good
metamaterial property and frequency selective
characteristic, and the isolation and peak gain of the
MIMO antenna are improved by 20 dB and 2.5 dBi with
an edge-to-edge distance of only 2 mm. In the future,
the embedded decoupling techniques and the other
metamaterials can be used for realizing the low coupling
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design [33-35]. Also, the MIMO antenna can be used for
beamforming using the adaptive techniques [36-39].
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Abstract — This paper describes the design and
implementation of the dual band metamaterial resonator
for sensing applications by employing perturbation
theory in which the dielectric properties of resonator
affect Q-factor and resonance frequency. The designed
sensor operates at two resonance frequency 3.20 GHz
and 4.18 GHz in the range of 1 GHz to 5.5 GHz for testing
solid materials. The Computer Simulation Technology
(CST) software is used to design and model this sensor
and it was analyzed by using vector network analyzer
(VNA) for testing measurement. This study uses empirical
equation from the tested materials with well-known
permittivity to estimate the permittivity of other materials
with unknown permittivity. The proposed sensor has
achieved a narrow band with high Q-factor value of 642
and 521 at the operating frequencies of 3.16 GHz and
4.18 GHz respectively. These findings are compared
with findings of previous study and the proposed sensor
has achieved a high sensitivity and accuracy of 80%
compare to others. This is proof that this senor could be
used to characterize materials and sensing applications.

Index Terms —Dual band, dielectric material
characterization, high Q-factor, microwave resonator
sensor, solid sample.

I. INTRODUCTION

Microwave sensor for detecting material
characterization is the most popular sensor for food
industry, quality control, biomedical and industrial
application[1]-[3]. Health and safety controls in food
products are important to ensure the health and wellbeing
of customers which the presence of certain ingredients
can affect consumers and cause certain diseases, such as
allergies, poisoning and cancer[3]. Due to the reasons
above, it is necessary to ensure the quality and safety of
the product (e.g., beverages and cooking oils) before
marketing them to customers [3]. There are two types
of resonant microwave methods for characterizing
materials, there are resonant methods and non-resonant
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methods. Non-resonant method are often used over a
frequency range for the electromagnetic properties while
resonant method are typically used to correctly understand
single frequency or several distinct frequencies of
dielectric properties [4].

Microwave resonant technique is one of the
potential techniques that is used for highly accurate
measurement of dielectric material characterization at
single or discrete frequency. The old method states that
material characterization has been realized by using
conventional waveguide, dielectric and coaxial resonators
that have high sensitivity and accuracy [5]. However,
the conventional resonator sensor is typically huge,
expensive to manufacture and requires a large amount
for the detection of the sample of material under test
(MUT) [5]-[8]. Thus, planar resonant techniques are
among the most common techniques in recent years due
to their advantages of compact size, low cost and ease of
manufacture [9]-[12]. Moreover, this technique leads to
low sensitivity and Q-factor values which restrict the
range of material characterization.

The present study was used to find the weaknesses
of the previous study through a new microwave sensor
that has compatibility, low cost, simple design, easy
handling, higher Q-factor, higher accuracy and sensitivity.
Therefore, permittivity is a critical function of properties
that determine electrical nature of the material. The
resonant frequency will be decreasingly shifted to the left
from small to large value of permittivity [13], [14].

Il. DESIGN METHODOLOGY

A. Structure design

There are two types of designs called design A and
design B, which have been successfully investigated and
analyzed by the researcher. This microwave resonator
sensor is using Roger 5880 with 0.787 thickness, dielectric
constant 2.2 and tangent loss 0.0009 as the substrate with
dimension 35mm x 25mm which is compact in size. The
operating frequency is 3.16 GHz and 4.81 GHz (Design
A) and 3.20 GHz and 4.78 GHz (Design B), which is

https://doi.org/10.47037/2020.ACES.J.360414
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from the range 1 GHz to 5.5 GHz.

Before the microwave resonator is designed in
the computer simulation technology (CST) software,
there are mathematical analysis for the parameter of
designation. The frequency of resonance can be
determined through the compatible folded arm loading
by the length and width of the patch. Thus, length is the
parameter that regulates resonant frequency. The length
of the of the resonator is half of the wavelength can be
expressed in Equation (1) [12]:

c 1

= —X—’
27 Eoff fo

@

Whereas the resonant frequency and the effective
permittivity that can be calculated in Equation (2) and
Equation (3) respectively [15]:

c
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B. Simulation process

This study used Computer Simulation Technology
(CST) to design the sensor. The design of the propose
sensor based on the operating frequency, parameter
specifications, and the transmission coefficients of the
sensor. Parameter value of design sensor as shown in
Table 1. When the metamaterial patch size is large, the
frequency will be low, then vice versa. Designation on
CST design A and design B, as illustrated by Fig. 1 below.

i

(b)

Fig. 1. Designation on CST: (a) design A and (b) design B.
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Table 1: Parameter value of design sensor

Substrate Operating Frequency
3.16GHz and 4.81GHz (Design A)
Roger 5880 -
3.20GHz and 4.78GHz (Design B)
Parameter Design Value Parameter Design Value
hs 0.787mm w 0.5mm
er 2.2 wk 0.4mm
t 0.0175mm Cg 0.15mm
Ls 35mm Dt 17mm
Ws 25mm [o} 0.4mm
Lf 35mm gk 0.3mm
Wif 2.433mm S 3.4mm
Wr 7.7mm s2 2.7mm
Lr 8.5mm la 2.1mm
w2 5.7mm Ib 1.1mm
L2 6.5mm

In the simulation process, the material under test
(MUT) is located at the maximum concentration region
of electric field which in red color. Location of MUT at
maximum concentration of e-field, as illustrated by Fig.
2 below.

Fig. 2. Location of MUT at maximum concentration of
e-field.

C. Measurement process

The microwave resonator sensor is measured by
using vector network analyzer (VNA) which analyzed
the insertion loss, S21 (dB) of the microwave resonator
sensor in the range of frequency 1 GHz to 5.5 GHz. The
VNA is connected to the sensor using the two probes
station through 50Q2 SMA-Connector port of the sensor.
The MUT s placed at the top copper of metamaterial
patch without touching the feedline in order to avoid
other resonant frequency. The dimension for the big
MUT is 8.5 mm x 7.7 mm and for the small MUT is
6.5 mm x 5.7 mm. Measurement setup using VNA, as
illustrated by Fig. 3 below.

I11. RESULTS AND DISCUSSION

A. Q-factor analysis
The resonant frequency shifting determined the
accuracy of the microwave resonator sensor. Design A,



resonance frequency for unloaded condition is 3.21 GHz
for low frequency and 4.66 GHz for high frequency.
However, design B’s resonance frequency for unloaded
condition is 3.19 GHz for low frequency and 4.69 GHz
for high frequency due to coupling loss of gap between
feedlines and square patch structure for both designs are
0.15 mm. Therefore, distance between two frequency of
design B which is 17 mm also affect resonant frequency
shifting of microwave resonator sensor. Low loss occurred
when smaller gap between feedline and structure of patch
which affect fringing field of perturbation of resonator
structure.

Coupling phenomenon between the resonators is
also known as mutual coupling which when two patches
are coupled through all media such as substrate and air
when they are place closed to each other. Comparison
result simulation and measurements of design A and
design B, as illustrated by Fig. 4 below.

Fig. 3. Measurement setup using VNA.

Design A achieves high quality factor value 350 and
329 for low and high frequency respectively without
material under test (MUT). On the other hand, design B
achieves high quality factor for low and high frequency
are 290 and 278 respectively. Q-factor can be calculated
by[16]:
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where f;, is the resonant frequency and Af of the resonant
peak at -3db. Comparison simulation vs measurement
result of low and high frequency (design A & B) as
shown in Table 2, Table 3, Table 4 and Table 5.
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Fig. 4. Comparison result simulation and measurements
of: (a) design A and (b) design B.

Table 2: Comparison simulation vs measurement result of low frequency (design A)

MUT Simulation Measurement
Q-Factor S21 BW f (GHz) Af | Error % | Q-Factor S21 BW | f(GHz) Af Error %
Air 75 -16.959 | 0.0842 3.16 0 0 350 -4.565 | 0.0183 3.21 0 0
Roger 5880 70 -16.481 | 0.0799 2.81 0.35 11.1 642 -3.375 | 0.0095 | 3.05 0.16 5
Roger 4350 51 -17.837 | 0.1009 2.58 0.58 18.3 - -2.913 - 2.95 0.26 8.1
Fr4 43 -9.227 0.1088 2.34 0.82 26 - -1.107 - 2.70 0.51 15.9
Table 3: Comparison simulation vs measurement result of high frequency (design A)
MUT Simulation Measurement
Q-Factor S21 BW f (GHz) Af | Error % | Q-Factor S21 BW f (GHz) Af | Error %
Air 113 -13.015 | 0.0847 4.81 0 0 329 -4.910 | 0.0283 4.66 0 0
Roger 5880 108 -12.976 | 0.0786 4.23 0.58 12.1 521 -3.500 | 0.0168 4.38 0.28 6
Roger 4350 73 -13.771 | 0.1050 3.83 0.98 204 - -2.832 - 4.35 0.31 6.7
Fr4 64 -6.882 | 0.1086 3.49 1.32 274 - -0.942 - 3.74 0.92 19.7
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Table 4: Comparison simulation vs measurement result of low frequency (design B)
MUT Simulation Measurement
Q-Factor S21 BW f(GHz) Af | Error % | Q-Factor | S21 BW | f(GHz) Af | Error %
Air 71 -14.496 | 0.0897 | 3.20 0 0 290 -5.022 | 0.0220 | 3.19 0 0
Roger 5880 107 -13.657 | 0.0543 [ 291 | 0.29 9.1 474 -3.604 [ 0.0129 [ 3.06 | 0.3 4.1
Roger 4350 113 -11.503 | 0.0487 | 274 | 0.46 14.4 - -3.003 - 292 | 027 8.5
Fr4 121 -4330 | 00412 [ 249 | 071 22.2 - -1.228 - 2.69 0.5 15.7
Table 5: Comparison simulation vs measurement result of high frequency (design B)
MUT Simulation Measurement
Q-Factor S21 BW f (GHz) Af | Error % | Q-Factor S21 BW | f(GHz) Af Error %
Air 69 -17.911 | 0.1397 | 478 0 0 278 -5.429 | 0.0336 | 4.69 0 0
Roger 5880 102 -14.231 | 0.0839 | 429 | 049 | 103 380 -4.185 | 0.0233 | 444 | 0.25 5.3
Roger 4350 108 -11.302 | 0.0741 | 399 | 079 | 165 - -3.346 | 0.0149 | 440 | 0.29 6.2
Fr4 137 -4272 | 00532 | 365 | 113 | 236 - -1.133 - 391 | 078 | 166

B. Analysis dielectric constant and tangent loss analysis

The frequency shift depends on the interference of
signal between the maximum concentration of electric
fields with the permittivity of the MUT. The measured
value of the permittivity value for the MUT have been
obtained by using the second order polynomial fitting
technique. The difference between reference and the
measurement permittivity was analyzed based on
percentage error trend line. For design A, the percentage
error for permittivity of the samples <12.7% and <26.4%
for low frequency and high frequency. For design B, the
percentage error for low and high frequency are <5% and
<25% respectively.

Loss tangent is the frequency dependent that creates

a loss that is proportional to the frequency.

It has higher impact on the peak amplitude S21
when the tangent loss value is smaller. Thus, it makes the
S21 parameter narrower when the tangent loss value is
smallest. Q-factor of insertion loss is reduced because of
the radiation loss that may occur in input and output port
network due to the weak connectivity of port couplings
and losses occur during fabrication process. Percentage
error of losses occur can be calculated in Equation 5:

Comparison permittivity value of reference vs
measurement as shown in Table 6. Comparison tangent
loss value of reference vs measurement as shown in
Table 7. Comparison with previous researcher’s sensor
as shown in Table 8.

Table 6: Comparison permittivity value of reference vs measurement

Measured Permittivity, er

MUT Ref. er

f=3.21 GHz % Error f=4.66 GHz % Error f=3.19 GHz % Error =4.69 GHz % Error
Air 1 0.93 7 0.96 4 0.96 4 0.95 5
Roger 5880 2.2 2.48 12.7 2.78 26.4 2.30 4.5 2.75 25
Roger 4350 3.48 3.24 6.9 2.94 155 3.40 2.3 2.97 14.7
Fr4 4.4 443 0.7 4.41 0.2 4.42 0.5 4.42 0.5
Table 7: Comparison tangent loss value of reference vs measurement
MUT Ref. Measured Tan &
Tan & f=3.21GHz | %Error | f=4.66 GHz | % Error | f=3.19GHz | % Error | f=4.69 GHz | % Error
Air 0 0 0 0 0 0 0 0 0
Roger 5880 0.0009 0.000893 0.78 0.000883 1.89 0.000894 0.67 0.000887 1.44
Roger 4350 0.004 0.00399 0.25 0.00398 0.5 0.00398 0.5 0.00399 0.25
Fr4 0.02 0.0199 0.5 0.0199 0.5 0.0199 0.5 0.0199 0.5

Table 8: Comparison with previous researcher’s sensor

f Q- s21 . %
Ref. MUT (GHz) | Factor | (dB) E-field Accuracy
[16] Solid 2.50 74 -23.50 | Medium 66.2
[17] | Liquid | 2.10 | 130 | -13.00 | Low | 75.88
[18] Liquid 2.40 - -35.00 | Medium -
oy (S04} g4 | 49 | 200 |Medium | 657
iquid
Aqueous .
[20] Solution 20.00 9.6 -17.77 High 58.5
[21] | Liquid | 2.44 |14667| -552 | Low 78.5
Dual band . [3.16 and|642 and|-3.75 and .
sensor | O ["418 | 521 | -3s0 | Hioh | >80

IV. CONCLUSION

This paper presented as dual band sensor which
proof it can be used to detect the properties of the solid
material. Thus, high accuracy and sensitivity sensor
works on 3.16GHz and 4.18GHz. This sensor produces
a high Q-factor value which are 642 and 541 compared
to previous research. A mathematical model is developed
for the determination of the dielectric constant and the
loss tangent of the MUT. The polynomial curve fitting
also applied to determine the dielectric properties of the
material. Percentage error for permittivity of measurement



and tangent loss is below 10%. Therefore, percentage of
accuracy for this sensor is more than 80% which make
the sensor suitable to be apply in further reference.

V. FUTURE WORKS

For further improvement, the sensor can be
enhanced by having a portable device to classify the
material properties without using the Vector Network
Analyzer (VNA) for future suggestions. Thus, it makes
the sensor compact in sizes with low cost frequency and
can classify the material properties automatically. Then,
the sensor also can be enhanced by using algorithms and
a Graphical User Interface (GUI) which can read the
material characterization of the tested materials. The use
of the sensor in the future might be further expanded by
measuring the human body's cell tissues, which also
involved in dielectric measurement. Thus, this sensor has
the high sensitivity which could be used to detect a little
change in dielectric properties of the material being
tested. The sensor also can be improving by using
Internet of Things which allow the user to monitor the
material characterization of the tested material.
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Abstract — This paper presents miniature dual-band
cylindrical dielectric resonator antenna (CDRA) based
on button antenna for wireless body area network
(WBAN) applications. A button antenna is designed by
stacking two CDRAs (low and high permittivity) fed by
coaxial probe through the ground plane and penetrates
the bottom CDRA. The prime contributions of using
DRAs are to enhance the performance and to provide a
compact size of antenna. However, the coaxial probe
realizes two radiation patterns, monopole and broadside
patterns. A comprehensive validation using CST
microwave studio is carried out to determine the
characteristics of the proposed button antenna. In
addition, to ensure that the results are acceptable to
the practitioner in this field, a prototype was fabricated
and tested. The superiority of the proposed antenna
is confirmed by possessing 39% more compact size
compared to previously reported studies, efficiency of
more than 63% and bandwidth of 4.9% and 6.6% for
lower and upper band, respectively. This proposed
design is a promising candidate to benefit on/off body
communication devices operating at 2.4 and 5.6 GHz.

Index Terms — Button antenna, dual-band dielectric
resonator antenna, on/off body communications, wearable
antenna, wireless body area network (WBAN).

I. INTRODUCTION

In the latest years, it is remarkable that the wireless
technologies have been grown-up rapidly and making
an extensive change in electronic devices that are able to
be inserted in pockets or worn such as smart glasses,
wearable sensor systems, wireless medical systems [1],
and smart watches. Practically and during the last
decade, wearable devices have been awarded a wide
consideration in a lot of operating bands such as ultra-
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wideband (UWB), wireless local area network (WLAN)
and wireless body area network (WBAN) [2]. With the
rapid and ongoing development of wearable devices,
the need to design a wearable antenna with low cost,
lightweight, maintenance-free and installation capability
for on/off body communication is required for all
modern wearable applications.

WBAN is classified into: in-body mode, on-body
mode, and off-body mode [3]. In-body mode is the mode
where the antennas are inserted inside the body. It needs
to take into account the effects of the human body tissue.
In on-body mode, the antenna is able to share data with
other antennas placed on other locations on the body
surface. Thus, this mode needs omnidirectional radiation
pattern alongside the surface of the body [4]. However,
off-body mode indicates that the antenna can
communicate with stations far away from the body.
Thus, it requires broadside radiation pattern [5]. In
many researches of same area, wearable antennas were
developed to be either flexible using textile material [2,
6-8], or robust material [9-12]. Typically for both types,
the radiation element is made up of conductive material
such as copper.

A number of studies concentrate on the shapes of
antenna and how to obtain miniature size antenna. Authors
in [13, 14] achieved a compact size for on/off body
communication devices, but the antenna’s performance
suffered from high conductive losses which negatively
influenced the efficiency. However, authors in [2, 15]
studied the stability and characteristics of the materials
and their effects on the performance of antenna. Both of
these studies had achieved a good antenna performance
suitable for body centric applications. In contrast,
achieving acceptable antenna’s performance while
keeping the size compact is a major challenge faced
nowadays.

https://doi.org/10.47037/2020.ACES.J.360415
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Button antennas have clearly several advantages
over entirely textile antennas such as being easily
attached on clothes or being embedded into a system
[16]. In fact, button antennas are rigid in many cases and
might significantly and directly impact the antenna’s
performance stability [17, 18].

From the above discussion, a miniature dual-band
circular dielectric resonator antenna (CDRA) based on
button antenna that is expected to benefit on/off body
communication devices is proposed in this paper.
Despite the numerous works carried out on the same
subject, no previous work has thoroughly investigated
using DRA as a radiation element in the same area. DRA
is chosen due to the practical advantages such as a high
radiation efficiency, low dielectric loss, and bandwidth
[19] which can easily be controlled by using different
design techniques[20, 21]. Since there is an experimental
validation, this work will pave the way to integrate
this work in real life application such as healthcare
monitoring system.

The proposed button antenna is designed for
frequencies 2.4 GHz for on body communication and
5.6 GHz for off body communication. The frequency
5.6 GHz is confirmed by the UNII (Unlicensed National
Information Infrastructure) band. The UNII worldwide
is used for both indoor and outdoor and it is exposed to
dynamic frequency selection. The 5.6 GHz band has
higher bandwidth and power and mostly used by wireless
distribution systems [22]. The characteristics of the
proposed button antenna are simulated and optimized
using CST microwave studio. Section Il introduces
the geometry, elaborates the method and provides
optimization of the proposed button antenna. Section 111
discusses the simulation and the measurement results
including the comparison to previously reported works.
Finally, conclusion and suggestions are provided in
Section 1V.

I1. ANTENNA DESIGN

This section elaborates the geometry of the proposed
dual-band CDRA based on button antenna for on/off-
body communications. The strategy of achieving dual-
band on and off radiation pattern of the proposed antenna
is obtained by a proper modification of CDRA’s size.
Moreover, the resonance frequency can be adjusted by
optimizing the position and length of the probe. The
enhancement of this work is also demonstrated in order
to improve the performances of antenna.

A. Antenna geometry

The initial structure of the proposed CDRA based
on button antenna is illustrated in Fig. 1. The radiation
element is a button-shaped that is made of dielectric
material (ceramic) as shown in perspective view in Fig.
1 (a). The proposed antenna is fed from the bottom side
by a coaxial probe, where the probe penetrates the

ACES JOURNAL, Vol. 36, No. 4, April 2021

CDRA with a height of hy = 3 mm and is located at X =
7.8 mm from the center of the CDRA as it is shown in
Fig. 1 (b). The CDRA has a radius of r = 12 mm, height
of h =9 mm, dielectric loss tangent of tand = 0.009 and
relative permittivity £; = 30. The CDRA is placed on top
of a Rogers RT5880 substrate that has the same radius as
CDRA with relative permittivity of ;= 2.2, dielectric
loss tangent of tand = 0.0009, and substrate thickness of
hs = 0.254 mm.

probe

hp

CDRA X
-~

(@ (b)

Fig. 1. Geometry of the proposed button antenna: (a)
front perspective view and (b) side view.

() (b)

Fig. 2. Geometry of the optimized button antenna: (a)
front perspective view and (b) side view.

B. Design methodology

The design has two main objectives. The first one is
to obtain a very compact size dual-band CDRA based on
button antenna operates in the 2.4 GHz and 5.6 GHz
bands for on and off body communications respectively.
The second objective is to achieve better performance of
the antenna in order to maintain the specifications of
on/off body communication devices.

One of the interesting features of CDRA is the size
of the CDRA that is inversely proportional to the relative
permittivity (g4). Therefore, a high dielectric constant
can be chosen in order to reduce the size of the DRA
[23]. The theoretical resonant frequency (f,) of the
CDRA can be found from the equation (1) [24]:

¢ (1.6+0.513x+1.392x2-0.575x3+0.088x* 1
f= .M
d

- 2nr
where x = R/2h, c is the free space speed of light, r, &g,
and h are the radius, relative permittivity, and height of



the CDRA, respectively.

The resonance frequency of the CDRA can be
modified by adjusting the position and length of the
probe. Moreover, a dual-band omnidirectional and
broadside radiation patterns can be achieved by proper
modification of CDRA’s size. The main advantage
related to penetrating the CDRA by a probe is that, a
high coupling is delivered to the DR resulting in high
radiation efficiency [23]. In contrast, the main drawback
associated high dielectric constant of DRA is that
the bandwidth is reduced as relative permittivity is
increased. In this case optimization should take place.

One of the common techniques used to enhance the
bandwidth is stacked DRA. The idea of stacked DRA
is to place a DRA of low permittivity on a DRA of
high permittivity [25, 26] as depicted in Fig. 2. The
dimensions of CDRA; are Rixh; = 13x7 mm? with
permittivity of £44= 30, where the dimensions of CDRA;
are Ryxhy = 12x4 mm?with permittivity of £4,= 10. The
height and the position (from the center of CDRA) of the
probe are hp=3.246 mm and X = 8 mm, respectively.

Fig. 3. Shows the fabricated prototype of button antenna,
front side view (left) and side view(right).

I1l. RESULTS
A prototype was fabricated as illustrated in Fig. 3
to verify the proposed button antenna. For this wok,
E5071C series network analyzer (NA) is used to test the
reflection coefficients while anechoic chamber room
used to measure the radiation pattern of the proposed
button antenna.

A. Reflection coefficient and bandwidth

The characteristics of the antenna depend on the
return loss which describes the matching impedance of
the antenna and the amount of power coupled to the
antenna around the resonance frequencies. Figure 4
shows the simulated reflection coefficient before and
after optimization. Both of the designs achieve dual-band
around the resonance frequencies 2.4 GHz and 5.6 GHz.
Before optimization, the bandwidth for lower and
upper band was 2.1% and 3.7%, respectively. After
optimization, bandwidth is increased to 2.7% and 5.2%
for lower and upper band, respectively.
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Fig. 4. Simulated reflection coefficient of the proposed
button antenna before and after optimization.
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Fig. 5. Measured and simulated S-parameter of the
proposed button antenna.

Figure 5 illustrates the measured and simulated
return loss of the proposed button antenna. The result
ensures that the proposed antenna functions in the dual-
band at 2.4 GHz and 5.6 GHz. The result less than -10dB
shows that the measured results agree with the simulated
ones with wider bandwidth of 4.9% (2.38-2.5GHz) and
6.6% (5.52-5.9GHz) for the lower and upper band,
respectively. There is a slightly deviation of the
resonance frequency at lower band due to inaccuracy
fabrication of CDRA.

B. E-field distributions

To understand the behavior of the proposed antenna,
the simulated E-field distributions of operation mode
at the resonance frequencies 2.4, 5.6 GHz are shown
in Fig. 7. A 50Q coaxial probe is used to excite CDRA.
It has been obtained that the coaxial probe excites
fundamental HEM, ;s (Hybrid electromagnetic) mode
in the CDRA at both resonance frequencies.

C. Radiation pattern

Figure 6 illustrates the measured and simulated
normalized co-polar radiation patterns in E-plane and
H-plane of the proposed button antenna at 2.4GHz and
5.6GHz. It can be noticed that, the measured result verifies
that the proposed button antenna has omnidirectional
radiation pattern at 2.4GHz, which is expected to serve
on body communications.
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Fig. 6. Simulated and measured radiation patterns in E-
plane (left) and H-plane (right) of the proposed button
antenna at (a) 2.4 GHz and (b) 5.6 GHz.

Moreover, broadside radiation pattern is obtained
at 5.6GHz, which is well-suited for off body
communications. Table 1 elaborates the summary of the
proposed button antenna performance. The simulated
peak gains are a 1.8 and 2.78 dBi at the lower and upper
bands, respectively. This is due to the small ground
plane. A very good simulated efficiency of 81.5% is
obtained at the lower band while due to the high relative
permittivity an efficiency of 64% is obtained at the upper
band, which is more acceptable than the conventional
dual-band antenna compares to [15]. The equivalent
figures are not provided here for conciseness.

D. Comparison with previous work

Table 2 shows the comparison between this work
and the previous works. It can be remarked that the
proposed button antenna has realized the smallest
size more than 39% reduction compared to references.
Moreover, this work has materialized both omni/broadside
radiation patterns applicable for both on/off body
communication applications with better performance.
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(b)

Fig. 7. Simulated E-field distributions at (a) 2.4 GHz and
(b) 5.6 GHz.

Table 2: Comparison between the proposed button
antenna and previously reported designs

Ref. ('gilqz') Pattern Effi(((:);)e)ncy \Zr?]'rl:]r?)e
0 | 8 2
o] 25;.485 M‘;foﬁ ) ggg 9965
[27] 25%85 M‘F),';?fﬁ e NA 18775
e | mg:ggg:z NA | 38520
T E e [

Table 1: Summary of the proposed button antenna

performance
Parameters Lower Band Upper Band
Frequency 24 5.6
BW Sim. (GHz) 2.7 5.2
BW Meas. (GHz) 49 6.6
Gain Sim. (dBi) 1.8 2.78
Eff. Sim. (%) 8L.5 64

IV. CONCLUSION

Based on the findings of this work, it can be
concluded that, a new compact dual band CDRA based
on button antenna for WBAN 2.4 GHz and 5.6 GHz
applications has been proposed, simulated, fabricated
and tested. The optimization and feeding technique of
the proposed antenna is clarified and elaborated to
achieve the objectives of this work. Besides that, the
proposed work has notable several features, namely a



very compact size of more than 39% reduction compared
to references, bandwidth and efficiency improvement
and achieve omni/broadside radiation patterns appropriate
to be used for on/off body communication devices.

This work is based on stacked CDRA antenna in
which two CDRAs placed on each other with different
permittivity. It is suggested to use materials of higher
dielectric constants for this kind of applications where
the performance of the antenna will be improved, and the
size will be smaller. Moreover, the cost of diversity
verified by DRAs is the increased complication related
to fabricating DRAs, compared to conventional
technology. However, as more researches are carried out
on DRAs and new fabrication methods are implemented,
most of the fabrication issues will be solved.
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