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Abstract – A new compact broadband circularly polar-
ized (CP) crossed dipole antenna using split ring res-
onator (SRR) and parasitic patches are presented. The
proposed antenna is mainly composed of two orthogo-
nal strip dipoles, two 90◦ phase delay lines, four SRRs,
and four parasitic patches. The combination of the or-
thogonal strip dipoles and the delay lines forms a crossed
dipole as the main CP radiator. The well-designed SRR
can extend the current path and improve the current dis-
tribution of high-frequency without increasing the size
of the antenna, thereby reducing the size of the antenna
and increasing the axial ratio (AR) bandwidth of the
high-frequency. The introduction of parasitic patches can
improve the current distribution between the upper and
lower cut-off frequency points of the bandwidth, and
make up for the defects of the insufficient bandwidth of
the crossed dipole and the SRR, thereby realizing broad-
band CP radiation. To verify the antenna, a physical pro-
totype is fabricated. The measured results show that the
impedance bandwidth (IBW) of 69.1% (1.38-2.84 GHz),
and a wide AR bandwidth of 57.7% (1.43-2.59 GHz).
In addition, the designed antenna achieves a stable gain
in the working band and a certain band-edge selectiv-
ity. Such a single-fed, simple structure and the wideband
CP antenna is an excellent candidate for communication
systems such as ISM (2.4 GHz), WiBro (2.3-2.39 GHz)
and Inmarsat.

Index Terms – Circularly Polarized (CP) antenna,
crossed dipole, parasitic patches, Split Ring Resonator
(SRR).

I. INTRODUCTION

Compared to linearly polarized antennas, circularly
polarized (CP) antennas have received widespread atten-
tion due to their advantages of eliminating polarization
mismatches and suppressing multipath interference. At
the same time, there are no strict requirements for the
direction of transmitting and receiving antennas, which

can improve the flexibility between transmitting and re-
ceiving antennas. In recent years, with the development
of miniaturization and integration of wireless communi-
cation systems, miniaturization and broadband CP anten-
nas have attracted more and more attention.

The traditional CP crossed dipole antennas use a
phase-delay ring to provide orthogonal phase and gen-
erate CP radiation [1]. The circumference of the ring is
one-quarter of the waveguide wavelength corresponding
to the center frequency, and its size is small and easy
to design, with an axial ratio (AR) bandwidth of up to
15.6%. Although this bandwidth has a significant ad-
vantage over traditional circularly polarized patch an-
tennas, it has only a single resonant mode, which is
not competitive enough in modern wireless communi-
cation systems. There have been many papers [2]-[15]
that have reported on further expanding the CP band-
width of the crossed dipole antenna. In [2], Feng, et al.
proposed a crossed dipole antenna loading an asymmet-
ric cross-loop, and achieving a 53.4% CP bandwidth in
the form of a multi-mode resonance. Similarly, by in-
troducing structures such as parasitic magneto-electric
dipoles [3], two parasitic patches [4], dual cavity [5], and
parasitic modified patches [6], the bandwidths can reach
28.6%, 66%, 66.7%, and 72.7%, respectively. However,
the introduction of the above-mentioned parasitic struc-
tures leads to an increase in the size of the antenna. In
[7]-[10], by improving the early linear crossed dipoles,
the rectangular crossed dipole [7], double bowtie crossed
dipole [8], asymmetric bowtie crossed dipole [9], and
L-shaped crossed dipole [10] are used. The matching
of broadband is improved, and the final CP bandwidth
reaches 27%, 26.3%, 51%, and 62.3%, respectively. In
[11], a wideband and directional crossed dipole CP an-
tenna is studied. By adding the parasitic patches and de-
fecting the ground plane, the CP bandwidth is enhanced.
In [12], the stepped dipole and L-shaped folded ground
plate is designed to enhance the CP operation band-
width of a crossed dipole antenna. Although, in [11] and
[12], their CP bandwidths can reach 68.6% and 74.7%,
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respectively, their sizes are 0.97 λ 0 × 0.97 λ 0 and 1.03
λ 0 × 1.03 λ 0, which is still relatively large. In [13] and
[14], the size of the deformed crossed dipole antenna
with four parasitic plates and the crossed dipole antenna
using coupling stubs can reach 0.4 λ 0 × 0.4 λ 0 and 0.32
λ 0 × 0.32 λ 0, respectively. However, the CP bandwidths
of these two antennas are only 52.6% and 45%, which is
narrower than the antennas [11] and [12]. In [15], a wide-
band CP crossed dipole antenna with improved band-
width and gain performance is presented. By designing
parasitic elements, a cavity-backed reflector, and a cir-
cular ring reflector, good CP bandwidth and high gain
are obtained. The size of the antenna in [15] is 0.6 λ 0
× 0.6 λ 0, and the CP bandwidth is 85.5%. Nevertheless,
the structure of the antenna is complex and the assembly
is difficult, which increases the difficulty of debugging
the antenna. Therefore, it is of interest to design crossed
dipole antennas with a simple structure, small size, and
wide bandwidth.

In this paper, a crossed dipole antenna with a sim-
ple structure, small size, and wide CP bandwidth is pro-
posed, and it has been validated in [16]. In this design,
the well-designed SRR makes good use of its resonant
properties to produce multiple resonant modes by cou-
pling with the crossed dipole. The introduction of par-
asitic patches can improve the current distribution be-
tween the upper and lower cut-off frequency of the band-
width, and make up for the defects of the insufficient
bandwidth of the crossed dipole and the SRR, thereby
realizing wide CP bandwidth. The size of the antenna
is 0.66 λ 0 × 0.66 λ 0. The measured results reveal that
the IBW of the antenna is 69.1% (1.38-2.84 GHz), the
CP bandwidth is 57.7% (1.43-2.59 GHz) and the gain is
stable within the working bandwidth. In addition, since
the crossed dipole and the SRR adopt the narrow-band
resonance mode, the antenna shows good band-edge se-
lectivity in the upper and lower sidebands. In general, the
antenna has good advantages in size, structure, and per-
formance index, and can be used as an alternative prod-
uct in the field of satellite communication and RFID.

II. ANTENNA DESIGN AND ANALYSIS
A. Antenna configuration

Figure 1 shows the configuration of the proposed
compact broadband CP crossed dipole antenna, which is
mainly designed on an FR4 substrate with relative dielec-
tric constant εr = 4.4 and a thickness of 0.8 mm. The pro-
posed antenna consists of two orthogonal strip dipoles,
two symmetrical 90◦ phase delay lines, four SRRs, four
parasitic patches, and a metal reflector plate. The orthog-
onal dipoles printed on the upper and lower sides of the
substrate are connected by delay lines to realize CP radi-
ation. The interaction of the four SRRs with the crossed
dipole produces two resonant modes at high and low

(a)

(b)

Fig. 1. Configuration of the proposed antenna. (a) Top
view. (b) Side view.

Table 1: Antenna parameters (units: mm)
L W L1 W1 R G1

100 90 23 3.1 4.6 1.1
G2 Q1 Q2 Q3 H H1
0.2 23 17 6.6 36 0.8

frequencies, increasing the IBW as well as the axial ratio
(AR) bandwidth. To obtain a better AR bandwidth, four
rectangular patches with chamfered corners were intro-
duced. In addition, the metal reflective plate of size L × L
is added 1/4 λ below the dielectric plate, which can bet-
ter enhance the unidirectional radiation performance of
the antenna. The dielectric plate and the reflector are sup-
ported by four nylon columns to maintain the stability of
the antenna. Finally, the optimal results are obtained by
optimizing the parameter characteristics through HFSS.
In the simulation optimization, the excitation type of the
antenna adopts a lumped port setting, and the size of the
radiation box is selected to be no less than a quarter of
the working wavelength of the low frequency from the
antenna edge. The optimal parameters of the antenna are
shown in Table 1.

B. Antenna mechanism

To better explain the working mechanism of the an-
tenna, Fig. 2 shows the evolution process of the antenna,
and Fig. 3 shows the relationship between the corre-
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(a)                        (b)                         (c) 

Fig. 2. Research process of the proposed antenna. (a)
Antenna-I. (b) Antenna-II. (c) Antenna-III.

 
(a)                                    (b) 

 

 
     (c) 

Fig. 3. Simulated results of the Antenna-I, Antenna-II,
and Antenna-III. (a) |S11|. (b) AR. (c) Gain.

sponding simulated reflection coefficient and the AR as
a function of frequency. As shown in Fig. 2 (a), Antenna-
I is an early crossed dipole antenna consisting of or-
thogonal dipoles connected with delay lines. The sim-
ulation results in Fig. 3 show that Antenna-I has only
one resonant mode corresponding to the dipole length,
the matching bandwidth and the AR bandwidth are rel-
atively narrow, and the AR bandwidth is only 15.6%.
As shown in Fig. 2 (b), the modified Antenna-II is com-
posed of four SRRs interacting with the crossed dipole.
On the one hand, this ingenious design can extend the
low-frequency current path, reduce the electrical size of
the antenna, and realize the compact of the antenna. On
the other hand, the SRR resonant characteristic can in-
crease the resonant frequency point and generate two
resonant modes of high frequency and low frequency,
thus realizing the expansion of the working bandwidth.
As can be seen from Fig. 3, compared with Antenna-
I, the matching bandwidth of the modified Antenna-II

is significantly enhanced, and a new AR bandwidth is
introduced. However, between the high frequency and
low frequency resonant frequency points, their AR is still
not ideal.

To further obtain the wide AR bandwidth, four rect-
angular patches with chamfered corners are introduced,
and the introduction of parasitic chamfered patches has
a positive effect on the SRR current distribution, which
can improve the resonant mode between high and low
frequencies. The design of the chamfered corner is to
further improve the amplitude ratio of the two orthog-
onal electric fields in the working frequency band and
help the antenna to achieve a good AR bandwidth. In ad-
dition, it can be seen from Fig. 3 (c) that the introduction
of the SRR causes the antenna to generate a radiation
null at low frequency. This is because of the resonance
characteristic of the SRR. To verify the radiation null,
the equivalent LC resonant circuit of the SRR is shown
in Fig. 4 [17], [18]. The L value depends on the length
(Q1 and Q2) of the SRR, and the C value is determined
by G2. To illustrate the radiation null, the parameters Q1
and Q2 of Antenna-II are analyzed in Fig. 5. It is ob-
served that the low-frequency radiation null point can be
adjusted by the size of the SRR. Furthermore, the cur-
rent distribution on the parasitic patch affects the SRR,
which has excellent sideband selection characteristics at
low frequencies, and a 3 dB drop at high frequencies.
Thereby a better band-edge selectivity of the antenna
is realized.

To verify the CP radiation characteristics of the de-
signed antenna, Fig. 6 shows the current distribution dia-
grams of the antenna at 1.45 GHz, 1.8 GHz, and 2.4 GHz
frequency points. It can be seen from Fig. 6 (a) that the
vertical current components of the 0◦ phase SRR cancel
each other at low frequency of 1.45 GHz, so the dom-
inant current is synthesized by the horizontal current of
the SRR and the vertical current of the dipoles. The dom-
inant current in the 90◦ phase at low frequency of 1.45
GHz is composed of the vertical current of the SRR and
the horizontal current of the dipole. Figure 6 (b) shows
that the current direction at 1.8 GHz is dominated by
dipoles. The SRR and the parasitic patch affect the verti-
cal and horizontal current distribution, which is the main

Fig. 4. Equivalent LC circuit of the SRR.
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Fig. 5. The simulated |S11| and gain with different values
of Q1 and Q2.

 
              (a) 

                (b) 

           (c) 

Fig. 6. Simulated current distributions of the antenna. (a)
1.45 GHz, (b) 1.8 GHz, and (c) 2.4 GHz.

factor to realize the CP mode. As shown in Fig. 6 (c), the
current at 2.4 GHz is mainly distributed on the dipole.
Therefore, the CP radiation is achieved mainly through
dipoles and phase delay lines at high frequencies. As can
be seen from Fig. 6, according to the rotation direction
of the current, it can be concluded that the current flows
in the counter-clockwise direction along the +z direction
in the working frequency band, so the antenna generates
right-handed circularly polarized (RHCP) waves.

III. SIMULATED AND MEASURED
RESULTS

To verify the accuracy of the proposed antenna,
a prototype was fabricated, as shown in Fig. 7 (a).

The reflection coefficient of the proposed antenna is
measured by Agilent-89441A VNA, and the gains, ARs
and radiation patterns are measured in a Far-field mi-
crowave anechoic chamber. As can be seen in Fig. 7 (a),
the measured and simulated IBW of the proposed an-
tenna are 69.6% (1.35-2.79 GHz) and 69.1% (1.38-2.84
GHz), respectively. The simulated results are in good
agreement with the measured results. Figure 7 (b) shows
the measured and simulated results of AR and gain. As
illustrated in Fig. 7 (b), the measured and simulated 3 dB
AR bandwidths are 57.7% (1.43-2.59 GHz) and 58.5%
(1.4-2.56 GHz) respectively. Compared with the sim-
ulated results, the working frequency band is slightly
shifted to the right in the measured results, which may
be caused by the dielectric constant error of the substrate
and the processing error. Figure 7 (b) illustrates the mea-
sured and simulated gain results are in good agreement,
and the in-band fluctuation is less than 1.5 dB, which
shows good in-band flatness. In addition, the reflection
coefficient and gain of the antenna all show good side-
band selection characteristics, which gives the antenna a
certain filtering function. Figure 8 shows the measured
and simulated radiation patterns for two principal planes
(xoz and yoz) at 1.45 GHz, 1.8 GHz, and 2.4 GHz, re-
spectively. The simulated results agreed well with the
measured results. It can be observed that the RHCP
waves are at least 15 dB larger than the left-handed Cir-
cularly Polarized (LHCP) waves, which means that the
antenna radiates RHCP waves.

To highlight the novelty of the proposed antenna,
Table 2 lists a comparison of the performance between
this paper and other references [4], [6], [7], [11], [13]
and [15]. Compared with the references in [6] and [11],
the proposed antenna is smaller in size. In addition, the
proposed antenna has a wider CP bandwidth than the an-
tennas in [11] and [15], and has a higher gain than the
antenna in [15]. Although the CP bandwidth in [7] is the
same as the proposed antenna, the size of the antenna
in [7] is larger than the proposed antenna. Moreover,
the proposed antenna has good band-edge selectivity and
stable radiation pattern in the working frequency band.

(a)                                             (b) 

Fig. 7. Measured and simulated results of the proposed
antenna. (a) |S11| (a prototype is shown as an insert). (b)
AR and gain.
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(a)

(b)

(c)

Fig. 8. Measured and simulated radiation patterns in xoz
and yoz planes for the antenna at three frequencies. (a)
1.45 GHz. (b) 1.8 GHz. (c) 2.4 GHz.

Table 2: Comparison between the proposed and other
works
Ref Overall

Size(λ 0
3)

IBW ARBW Band-

edge

Selectiv-

ity

Average

Gain

(dBic)

[2] 1.1×1.1×0.28 67.5% 53.4% NO 8.0
[4] 1.04×1.04×0.26 77.6% 66% NO 7.2
[5] 0.79×0.79×0.27 95.0% 58.6% NO 8.2
[9] 0.88×0.88×0.23 78.3% 51% NO 9.6
[11] 0.97×0.97×0.32 82% 68.2% NO 8.0
[13] 0.4×0.4×0.13 68.9% 52.4% NO 3.0
Pro 0.66×0.66×0.25 69.1% 57.7% YES 7.7

λ 0: operating wavelength in free space at the center
frequency.

IV. CONCLUSION

In this study, a compact wideband CP antenna using
SRR and parasitic patches has been presented. By adding
the well-designed SRRs close to the crossed dipoles, the
current path and the current distribution can be well mod-
ified, also the size of the antenna and the AR bandwidth
of the high-frequency can be improved. In addition, the
introduction of parasitic patches can improve the cur-
rent distribution between the upper and lower cut-off fre-
quency points of the bandwidth, and make up for the de-
fects of the insufficient bandwidth of the crossed dipole
and the SRR, thereby realizing broadband CP radiation.
The measured results show an IBW of 69.1% (1.38-2.84
GHz), and a wide AR bandwidth of 57.7% (1.43-2.59
GHz). Moreover, the designed antenna achieves a stable
gain in the working band and good band-edge selectivity,

which can be used as a candidate for ISM band, WiBro
and Inmarsat communication systems.

ACKNOWLEDGMENT

This work was supported by the Natural Science
Basic Research Program of Shannxi Province, China
(Grant No. 2021JQ-710), (Grant No. 2021GY-049),
(Grant No. 2022JQ-699), in part by Xi’an Science and
Technology Plan Project under Grant 2021JH-06-0038,
2020KJRC0102.

REFERENCES

[1] J. W. Baik, K. J. Lee, W. S. Yoon, T. H.
Lee, and Y. S. Kim, “Circularly polarised printed
crossed dipole antennas with broadband axial ra-
tio,” Electron. Lett., vol. 44, no. 13, pp. 785-786,
June 2008.

[2] G. Feng, L. Chen, X. Xue, and X. Shi, “Broadband
circularly polarized crossed-dipole antenna with a
single asymmetrical cross-loop,” IEEE Antennas
Wireless Propag. Lett., vol. 16, pp. 3184-3187, Oct.
2017.

[3] S. X. Ta and I. Park, “Crossed dipole loaded with
magneto-electric dipole for wideband and wide-
beam circularly polarized radiation,” IEEE Anten-
nas Wireless Propag. Lett., vol. 14, pp. 358-361,
Oct. 2015.

[4] L. Wang, W.-X. Fang, Y.-F. En, Y. Huang, W.-
H. Shao, and B. Yao, “Wideband circularly polar-
ized cross-dipole antenna with parasitic elements,”
IEEE Access., vol. 7, pp. 35097-35102, Mar. 2019.

[5] T. K. Nguyen, H. H. Tran, and N. Nguyen-Trong,
“A wideband dual-cavity-backed circularly polar-
ized crossed dipole antenna,” IEEE Antennas Wire-
less Propag. Lett., vol. 16, pp. 3135-3138, Oct.
2017.

[6] Z. Zhao, Y. Li, M. Xue, L. Wang, Z. Tang, and
Y. Yin, “Design of wideband circularly polarized
crossed-dipole antenna using parasitic modified
patches,” IEEE Access., vol. 7, pp. 75227-75234,
June 2019.

[7] Y. He, W. He, and H. Wong, “A wideband circularly
polarized cross-dipole antenna,” IEEE Antennas
Wireless Propag. Lett., vol. 13, pp. 67-70, Jan.
2014.

[8] M. Elsaid, K. R. Mahmoud, M. Hussein, M. F.
Hameed, A. Yahia, and S. S. Obayya, “Ultra-
wideband circularly polarized crossed-dual-arm
bowtie dipole antenna backed by an artificial mag-
netic conductor,” Microw. Opt. Technol. Lett., vol.
61, no. 12, pp. 2801-2810, Aug. 2019.

[9] H. H. Tran and I. Park, “Wideband circularly po-
larized cavity-backed asymmetric crossed bowtie
dipole antenna,” IEEE Antennas Wireless Propag.
Lett., vol. 15, pp. 358-361, June 2016.



229 ACES JOURNAL, Vol. 38, No. 4, April 2023

[10] X. Liang, J. Ren, L. Zhang, C. He, J. Geng, W. Zhu,
and R. Jin, “Wideband circularly polarized antenna
with dual-mode operation,” IEEE Antennas Wire-
less Propag. Lett., vol. 18, no. 4, pp. 767-770, Apr.
2019.

[11] Z. Guo, Z. Zhao, Y. Yang, and X. Ding, “A direc-
tional circularly polarized crossed dipole antenna
with bandwidth enhancement,” Microw. Opt. Tech-
nol. Lett., vol. 60, no. 9, pp. 2161-2167, Sep. 2018.

[12] L. Wang, K. Chen, Q. Huang, L. Wang, K. Chen,
Q. Huang, W. Shao, W. Fang, G. Lu, and Y. Huang,
“Wideband circularly polarized cross-dipole an-
tenna with folded ground plane,” IET Microw. An-
tennas Propag., vol. 15, no. 5, pp. 451-456, Apr.
2021.

[13] H. Zhang, Y. Guo, and G. Wang, “A design of
wideband circularly polarized antenna with stable
phase center over the whole GNSS bands,” IEEE
Antennas Wireless Propag. Lett., vol. 18, no. 12, pp.
2746-2750, Dec. 2019.

[14] L. Wen, S. Gao, B. Sanz-Izquierdo, C. Wang, W.
Hu, X. Ren, and J. Wu, “Compact and wideband
crossed dipole antenna using coupling stub for cir-
cular polarization,” IEEE Trans. Antennas Propag.,
vol. 70, no. 1, pp. 27-34, Jan. 2022.

[15] Y. Feng, J. Li, B. Cao, J. Liu, G. Yang, and D.
Wei, “Cavity-backed broadband circularly polar-
ized cross-dipole antenna,” IEEE Antennas Wire-
less Propag. Lett., vol. 18, no. 12, pp. 2681-2685,
Dec. 2019.

[16] Z. Guo, X. Li, H. Yang, J. Zhang, and C. Zheng,
“Compact circularly polarized crossed dipole an-
tenna with wide bandwidth and wide axial ratio,”
13th International Symposium on Antennas, Prop-
agation and EM Theory (ISAPE), Zhuhai, China,
vol. 1, pp. 1-3, Dec. 2021.

[17] P. Jha, A. Kumar, A. De, and R. K. Jain,
“Super ultra-wideband planar antenna with par-
asitic notch and frequency selective surface
for gain enhancement,” Applied Computational
Electromagnetics Society (ACES) Journal, vol. 37,
no. 7, pp. 757-764, Dec. 2022.

[18] P. Jha, A. Kumar, A. De, and R. K. Jain, “CPW-
fed metamaterial inspired compact multiband an-
tenna for LTE/5G/WLAN communication,” Fre-
quenz, vol. 76, no. 7-8, pp. 401-407, Aug. 2022.

Hailong Yang received his B.S. in
Communication Engineering from
Heze University, Heze, China, in
2012. He received his M.S. and
Ph.D degrees in Communication En-
gineering from Xi’an University of
Technology, Xi’an, China, in 2015
and 2019 respectively. He joined the

faculty of the Electronic Engineering Department, Xi’an
University of Posts and Telecommunications, in 2019.
His research interests include wave propagation and an-
tenna design.

Zhiqiang Guo was born in Henan
Province, China, 1997. He is cur-
rently pursuing a Master of Engi-
neering degree at the School of Elec-
tronic Engineering, Xi’an University
of Posts and Telecommunications.
His current research interests include
circularly polarized antennas, filter-

ing antennas and array antennas.

Xuping Li was born in Xi’an,
Shanxi, China in 1981. He re-
ceived his Ph.D. degree in Elec-
tromagnetic Fields and Microwave
Technology from Xidian University,
Xi’an, China, in 2015. His research
interests are antenna theory and en-
gineering.

Yunqi Zhang was born in BaoTou,
Inner Mongolia, China. He received
his Ph.D. degree from Xidian Uni-
versity, Xi’an, China in 2015. He is
currently working at the Xi’an Uni-
versity of Posts and Telecommunica-
tions. In 2017 he joined the school
of Physics and Optoelectronic Engi-

neering, Xidian University, as a post doctoral researcher.
His research interests include GPS antennas, CP anten-
nas, omnidirectional antennas and antenna array designs.



YANG, GUO, LI, ZHANG, SONG, WANG: A COMPACT CIRCULARLY POLARIZED CROSSED DIPOLE ANTENNA WITH WIDE BANDWIDTH 230

Xueyan Song was born in Henan
Province, China, 1989. She received
her B.E. degree in Electronic and
Information Engineering from Xi-
dian University, Xi’an, China, in
2012. She received her Ph.D. de-
gree in Electromagnetic Fields and
Microwave Technology from Xidian

University, Xi’an, China, in 2018.
She joined the School of Electronic Engineering,

Xi’an University of Posts and Telecommunications in
2018. Her research interests include artificial magnetic
conductors, low RCS antennas, low-profile antennas, fre-
quency selective surfaces and reflector antennas.

Shanzhe Wang received his M.S.
degree in Electronic Science and
Technology from Beijing Jiaotong
University, Beijing, China, in 2017.
He received his Ph.D. degree in
Electronic Science and Technology
from Beijing Jiaotong University,
Beijing, China, in 2022.

He joined the School of Electronic Engineering, Xi’an
University of Posts and Telecommunications in 2022.
His research interests include fixed-frequency beam-
scanning leaky-wave antennas.



231 ACES JOURNAL, Vol. 38, No. 4, April 2023

A Three-dimensional Compact Propeller-shaped Circularly Polarized Ceiling
Antenna

Jia-Xiang Chen, Hai-Tao Xing*, Jian-Mei Huang, Meng-Nan Wang, and Zhong-Hua Ma

School of Marine Information Engineering
Jimei University, Xiamen, Fujian, 361021, China

chenjx7335@jmu.edu.cn; xht2005@jmu.edu.cn; 202021112035@jmu.edu.cn;
202211810012@jmu.edu.cn; mzhxm@jmu.edu.cn
*Corresponding author: xht2005@jmu.edu.cn

Abstract – A three-dimensional compact propeller-
shaped circularly polarized ceiling-mounted antenna
loaded by inverted L-shaped slot is proposed in this
paper. This three-dimensional structure has a small size,
single feed and half-plane radiation mode. The antenna is
composed of four alternately welded radiating elements
and a disc reflector. Each radiating element is formed
by etching a rectangular microstrip radiating patch and
a trapezoidal microstrip radiating patch on the surface
of the substrate. The four radiating elements are welded
vertically on the disc reflector. The back of the disc
reflector has the ground plane. The antenna is fed coax-
ially through the via in the center of the disc reflec-
tor. The result demonstrates that the 10-dB impedance
fractional bandwidth achieves 66.3% (4.4-8.94 GHz).
The 3-dB axial ratio fractional bandwidth is 2.2% (6.44-
6.58 GHz). The radiation characteristic is close to half-
space radiation on the xoz plane and the yoz plane. The
peak gain of the antenna is 3.22 dBi. The simulation
and measurement results are in good agreement. With its
compact structure, effective coverage, miniaturization,
etc., the antenna is very suitable for applications such
as biomedical monitoring equipment and short-range
radio communications.

Index Terms – axial ratio (AR), circular polariza-
tion (CP), coaxial feed, inverted L-shaped slot, three-
dimensional.

I. INTRODUCTION

With the rapid development of modern wireless
communications and the increasing number of communi-
cation systems, circularly polarized (CP) antennas have
attracted more and more attention due to their excel-
lent performance and have been widely used in wire-
less communication systems [1].The attractive benefit of
CP antennas is that it can send and receive signals in all
planes having strong absorption and reflection of radio

signals [2]. Attributing to the requirement of great capac-
ity and higher transmission rate of 5G in the future, it
is difficult to find spectrum resources with large band-
widths of up to 100 MHz or even hundreds of megahertz
for spectrum below 6 GHz. Spectrum above 6 GHz is
an important source for 5G to find new frequency bands.
The use of spectrum above 6 GHz for 5G has become
a global consensus [3]. Because the antenna proposed
in this article has good directivity and compact struc-
ture, it has potential application for indoor positioning,
unmanned aerial vehicles (UAVs), automobiles and other
point-to-point communication, or in subway stations and
conference halls etc.

Circularly polarization characteristics of antenna
can be achieved by many methods, such as cutting cor-
ners [4], rotated stacked [5] and stub line loading [6],
selecting a suitable feed point location and multiple feed-
ing ports [7]. The CP antenna can resist the interference
of clouds, rain and fog in radar and satellite communica-
tion systems [8]. The correct information can be received
by using CP antenna in devices that swing and roll vio-
lently [9]. CP antennas are used in TV and broadcasting
systems to improve the quality of the receiving signal
[10]. The CP antenna can eliminate the polarization dis-
tortion which is caused by the ionospheric Faraday rota-
tion effect [11].

Compared with linearly polarized (LP) antennas, CP
antennas have many advantages, which can be applied to
a very wide number of fields. Therefore, a variety of new
CP antennas with excellent performance have been pro-
posed. Guo Qing-Yi et al. proposed a Fabry-Pérot cav-
ity (FPC) CP antenna that works in the millimeter wave
frequency band [12]. The antenna integrates a three-
dimensional (3D) printed resonator with an inserted par-
tial reflective surface to enhance the antenna’s gain and
CP bandwidth. This FPC antenna provides high direc-
tional radiation similar to a horn antenna. In [13], a novel
CPW-fed microstrip antenna which uses two PIN diodes
to switch between RHCP and LHCP, is introduced. This
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antenna is designed to work in the center frequency of
2.4 GHz which is applicable in WLAN systems. How-
ever, due to its large size, it is not easy to conform to
other equipment.

To enhance indoor communication quality and com-
munication coverage, experts and scholars have designed
various structure ceiling antennas. In [14], a 2×2 array
of ceiling antennas for access point devices is pro-
posed, which consists of a beamforming network and
a four-sided clover-leaf antenna (clover-leaf antenna).
The beamforming network includes four microstrip rat-
race couplers and two 90◦ delay lines. The peak gain
reaches 7.8 dBi, but there is a radiation zero point in the
main radiation direction, and the structure is more com-
plicated. Jang and Go [15] proposed a ceiling-mounted
antenna composed of a cylindrical monopole, foam, a
circular ground plane and an SMA connector. It can
be applied to mobile and satellite communication sys-
tems, but there is a phenomenon of distortion of radiation
characteristics. A monopole ceiling antenna based on
asymmetric dipole offset feed, which reduced the radi-
ation zero point and achieved low passive intermodula-
tion (PIM) has been reported [16], mainly working at 60
GHz millimeter wave frequency band and LP radiation.
A central coaxial feed monopole formed by placing three
metal patches on a circular ground plane is reported in
[17]. There are three shorting legs composed of coupling
patches on the monopole to extend the lowest frequency,
and the top of the coupling patch is loaded with a broad-
band omnidirectional antenna composed of a metal disk.
Although higher gain and better efficiency are achieved,
there is a radiation zero point in the radiation direc-
tion. The above-mentioned antennas provide good gain,
impedance bandwidth and radiation pattern, but they are
all in LP mode, which has some disadvantages for some
specific application scenarios, such as drones, subways
station, and halls, etc. For example, drones may cause
communication interruption to base stations due to their
instability and mobility, and they are often affected by
fast fading. Multipath of subways and shaking of ter-
minals will also cause the quality of communication to
decrease. Although [18] designed CP polarized ceiling
antenna with a multilayer spiral structure, this antenna is
mainly used for indoor radio frequency identification at
900 MHz.

In this paper, a circularly polarized ceiling antenna
with a three-dimensional propeller shape is proposed
and implemented. The antenna consists of four sub-
strates etched with rectangular microstrips and trape-
zoidal microstrips to form radiating patches, which are
vertically welded on a disc reflector with ground on the
back. Each radiating patch is loaded with an inverted
L-shaped slot. A single-port coaxial feed is performed
through the through hole of the disc reflector. This struc-

ture has good CP characteristics. A 50 Ω characteristic
impedance SMA connector is located under the reflec-
tor that has little effect on the electrical characteristics of
the antenna. This kind of antenna can be hung under the
unmanned aerial vehicles, the top of the car or the roof
to cover a larger area.

II. THE PRINCIPLE OF CIRCULAR
POLARIZATION

During the propagation of electromagnetic waves
in space, the electric field and magnetic field vectors
keep reciprocating. Electromagnetic wave polarization
usually refers to the trajectory projected by the end of
the electric field vector on a plane perpendicular to the
direction of propagation. Here, the change vector of the
magnetic field does not need to be considered, because
the magnetic field and the electric field have a fixed rela-
tionship. When the rotation direction of the electric field
vector of a CP wave is clockwise, a right-hand circular
polarization (RHCP) signal is generated. For a left-hand
circular polarization (LHCP) wave, the electric field vec-
tor will rotate counter clockwise [19]. In order to realize
that the track of the electric field vector as a function of
time is a circle, it must be satisfied that the electric field
must have two orthogonal linear components, the ampli-
tude of the two components must be equal, the phase dif-
ference is an odd multiple of 90 [20]. If the complex volt-
age terms in the horizontal and vertical planes EH and EV
are of equal amplitude and in phase quadrature (±π/2),
these terms may be combined to express either the RHCP
or LHCP wave components [21]:

ERHCP =
1√
2
(EH + jEV ) , (1)

and

ELHCP =
1√
2
(EH − jEV ) . (2)

The real and imaginary components of the horizon-
tal and vertical response can be expressed as:

EH = EA cos(Hp)+ jHA sin(Hp), (3)

EV = EA cos(Vp)+ jVA sin(Vp). (4)
The horizontal and vertical amplitude (HA, VA) and

phase components (HP, VP) are quantities that are mea-
sured at each angle in the far field of the antenna. Sub-
stitute formulas (1) and (2) into formulas (3) and (4) to
obtain the polarization field:

ELHCP =
1√
2

{
[HA cos(Hp)+VA sin(Vp)]

+ j[HA sin(Hp)−VA cos(Vp) ]} , (5)
and

ERHCP =
1√
2

{
[HA cos(Hp)−VA sin(Vp)]

+ j[HA sin(Hp)+VA cos(Vp) ]} . (6)
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The polarization of an antenna is related to the direc-
tion of the electric field radiated by the antenna. The radi-
ation patterns that are generated by a CP antenna can be
plotted by combining the amplitude and phase response
of two orthogonals. In each hand of polarization, the
power can be expressed by:

P(dB) = 10log10

(
E2

377

)
, (7)

where 377 Ω is the wave impedance in free space. A
practical antenna normally generates a desired reference
polarization in addition to an undesirable cross-polar
component, which is polarized in the opposite hand. In
the main beam, |PRHCP(dB)-PLHCP(dB)| gives the cross-
polar level at a given azimuth angle. AR is the ratio of
the cross-polarized wave to the co-polarized wave, so for
a perfect circular polarization conversion, the AR should
be equal to one. The AR can be written as:

AR = 20log10(
1+ e
1− e

), (8)

where e=10−PdB/20 and PdB is the cross-polar power.
A 3 dB point can be considered as the reference

point for polarization conversion. When the values of
AR are smaller than 3 dB, the structure can be used as a
polarization converter. On the other hand, the frequency
range for which the AR value is smaller than the refer-
ence value is called axial ratio bandwidth [22], [23].

III. ANTENNA STRUCTURE

The propeller structure of the CP antenna is shown
in Figs. 1 (a) and (b). The radiation patch includes a
rectangular microstrip patch and a trapezoidal microstrip
patch, which are etched on rectangular dielectric sub-
strate to form a radiating element. An inverted L-shaped
slot is loaded on each radiating element. The four radi-
ating elements are welded together in a staggered man-
ner and placed vertically on the disc reflector to form a
propeller shape as shown in Fig. 1 (a). The feed point
is located in the center of the disc reflector structure by
connecting 50-Ω SMA connector to realize the symme-
try axis ratio and radiation pattern. Cross-placed inverted
L-shaped radiating elements can produce two orthogonal
polarization components, thereby synthesizing circularly
polarized waves in the far field. Figure 1 (b) is the top
view of the antenna structure.

The structure of the propeller is to generate mutu-
ally orthogonal electromagnetic waves in order to syn-
thesize circularly polarized waves in the far field. Com-
pared with other types of ceiling antennas, due to its spe-
cial structure, it has a more compact structure and bet-
ter directivity. However, this structure causes a certain
amount of interference between patches placed orthog-
onal to each other, which will have a certain impact on
reflection coefficient and radiation pattern. The interfer-

ence can be minimized by adjusting the length L1 and
width W1 of the rectangular patch.

(a) (b)

Fig. 1. Proposed antenna configuration. (a) Three-
dimensional view. (b) Top view of the substrate.

Fig. 2. Structure diagram of inverted L-shaped slot radi-
ating element.

The structure of the radiating element loaded by the
inverted L-shaped slot is shown in Fig. 2. The size of the
rectangular patch is W1×L1. The bottom side of verti-
cally placed trapezoidal patch is W1, the upper bottom
side W2, and the height g. The length and width of the
microstrip radiation patch are calculated by the follow-
ing equations:

W =
c

2 fo

(
2

εr +1

)1/2

, (9)

fo =
c

2
√

εe (L+ΔL)
, (10)

where ΔL is the extension caused by the edge effect, and
εr is the relative dielectric constant of the substrate, εe is
the effective dielectric constant. At 6.5 GHz operating
frequency, the length (L1) and the width (W1) of the radi-
ating microstrip patch are 12.2 mm and 15.2 mm by the
equation (9) and (10), respectively. L is the equivalent
length of the microstrip edge effect. The width W2 of
the 50 characteristic impedance microstrip is 2.2 mm.
The coaxial probe is fed from the back of the circular
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Table 1: Design parameters of the propeller shaped CP
antenna (unit: mm)

W1 W2 W3 L1 L2 L3 g d r h
13.4 2.2 6 12.8 7.7 8.8 2.9 0.2 20 1

reflector. The inverted L-shaped slot is used to change the
current path on the radiating patch, thereby the radiation
intensity of the antenna is enhanced in the +z direction.
The inverted L-shaped slot has a horizontal length of
L2, the vertical length of L3, and the slot width of d.
The radiation pattern and impedance bandwidth of the
antenna are optimized by adjusting the structural param-
eters of the antenna. The relevant structural parameters
are shown in Table 1.

IV. SIMULATION DESIGN ANALYSIS

The proposed three-dimensional compact propeller-
shaped CP ceiling-mounted antenna is designed by the
High Frequency Electromagnetic Simulator software
(HFSS). The low cost FR4 substrate is used in the design,
with the thickness of 1 mm, the relative dielectric con-
stant of 4.4, and the loss tangent of 0.02.

The width W1 of the rectangular microstrip radiat-
ing patch is changed, the corresponding reflection coeffi-
cient and AR characteristics are shown in Figs. 3 (a) and
(b), respectively. When the width W1 of the rectangu-
lar microstrip radiating patch is reduced from 13.6 mm
to 13.3 mm in step of 0.1 mm, the impedance band-
width of the antenna is influenced obviously. The result
of Fig. 3 (a) shows that only when W1 is equal to
13.4 mm, the reflection characteristic in the band is
optimal, meanwhile, the 10 dB impedance bandwidth
reaches 4.54 GHz. When the value of W1 deviates
from 13.4 mm, the reflection coefficient begins to dete-
riorate in the lower frequency band, and the 10 dB
impedance bandwidth decreases. This is caused by res-
onance between the patches. Figure 3 (b) shows the AR
results when W1 changes from 13.3 mm to 13.6 mm. It
is observed that when W1=13.4 mm, the 3 dB AR band-
width achieves 185 MHz, and the AR value is 0.99 dB
at the center frequency. When the value of W1 increases
or decreases from 13.4 mm, the AR will increase, and
the 3 dB AR bandwidth will decrease rapidly. Obvi-
ously, the optimal width W1=13.4 mm is selected to
achieve good impedance matching of the antenna and the
3 dB AR operating frequency is included in the 10 dB
impedance bandwidth.

Figure 4 shows the effect on the AR characteris-
tics of the antenna when the horizontal length L2 of
the inverted L-shaped slot is gradually increased from
7.6 mm to 7.9 mm in steps of 0.1 mm. Among them,
when L2 is greater than 7.7 mm, the AR characteristic
deteriorates, and the working frequency band shifts to
the high frequency at the same time. When L2 is less

(a)

(b)

Fig. 3. Simulated results of the reflection coefficient and
the AR with different W1. (a) Reflection coefficient. (b)
Axial ratio.

Fig. 4. Simulated results of the AR with different L2.



235 ACES JOURNAL, Vol. 38, No. 4, April 2023

Fig. 5. Simulated results of the AR with different L3.

(a)

(b)

Fig. 6. Simulated results of the reflection coefficient and
the AR with different g. (a) Reflection coefficient. (b)
Axial ratios.

than 7.7 mm, the AR value slightly increases, and the
3 dB AR bandwidth decreases. When L2=7.7 mm, the
3 dB AR bandwidth is the widest, and the AR value of
the center frequency is the smallest.

Figure 5 shows the AR results of the antenna when
the vertical length L3 of the inverted L-shaped slot
changes. When L3=8.8 mm, the axial ratio bandwidth is
the widest, and the circular polarization characteristic is
the best. When the length of L3 deviates from 8.8 mm,
the 3 dB AR bandwidth reduces sharply.

Figure 6 shows the simulation results of the reflec-
tion coefficient and the AR of the antenna when
the height g of the trapezoidal microstrip is varied,
respectively. Figure 6 (a) shows that when g is equal
to 2.9 mm, there are excellent reflection coefficient and
in-band characteristics. Figure 6 (b) shows that when
g=2.9 mm, the center frequency is near 6.5 GHz. At this
time, the antenna has a small AR value and the AR band-
width is wide. When the value of g is less than 2.9 mm,
the 3 dB AR frequency band moves to a low frequency.
When the value of g is greater than 2.9 mm, the 3 dB
AR frequency band moves to a high frequency. The AR
bandwidth reduces rapidly and the performance in the
band deteriorates.

V. EXPERIMENT RESULTS

To verify the simulation results, a propeller-shaped
CP ceiling antenna was fabricated and measured. The
actual measurement is conducted in an anechoic cham-
ber with Agilent’s vector network analyzer (VNA, Agi-
lent E8362B). Figure 7 is the measurement photo of the
CP antenna. Figure 8 is the simulation and measure-
ment curve of the final antenna reflection coefficient.
The measurement result shows that the frequency band
with the reflection coefficient less than −10 dB is from
4.51 GHz to 9.01 GHz, and the bandwidth is 4.5 GHz,
which is slightly smaller than the simulation result.

Figure 9 shows the measured AR characteristic
curve. The frequency band range is from 6.44 GHz to
6.58 GHz with the AR less than 3 dB. The 3 dB AR
bandwidth is 140 MHz and the 3 dB AR fractional band-
width of the antenna is 2.2%. The measurement curve
of the CP antenna gain and the radiation efficiency is

(a) (b)

Fig. 7. Antenna photograph and anechoic chamber pho-
tograph. (a) Photograph of the fabricated CP antenna. (b)
Measurement photograph of the CP antenna.



CHEN, XING, HUANG, WANG, MA: A THREE-DIMENSIONAL COMPACT PROPELLER-SHAPED CIRCULARLY POLARIZED CEILING 236

Fig. 8. Simulation and measurement results of the pro-
posed antenna’s reflection coefficient.

Fig. 9. Simulated and measured results of the AR curve
of the proposed antenna.

Fig. 10. Measured results of the antenna gain and radia-
tion efficiency.

shown in Fig. 10. It is well known that as the size of
the antenna is reduced, so does the efficiency. For the
antenna proposed in this paper, in addition to the size
of the antenna, the width d of the inverted L-shaped slot
on the radiation patch and the dielectric constant of the
substrate material will also affect the radiation efficiency
measurement. The radiation efficiency of the antenna
is 35% to 39% in the range of 6.2 GHz to 6.8 GHz
in Fig. 10.

Figure 11 shows the simulated and measured xoz
plane and yoz plane radiation patterns of far-field
radiation at different working frequencies of 6.45 GHz,

(a)

(b)

(c)

Fig. 11. The measured CP radiated patterns on xoz plane
and yoz plane, respectively. (a) 6.45 GHz. (b) 6.5 GHz.
(c) 6.6 GHz.
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Table 2: Comparison of the published ceiling-mounted antennas
Ref. IBW

(S11<−10 dB)
GHz

ARBW
(AR<3 dB)

GHz

Feeding
Method

Radiation
Zero Point

Antenna Size (λ0
3) Peak Gain

(dBi)

[14] 2-2.9 - Side yes 1.6×1.6×0.35 7.8
[15] 1.98-3.55 - Back yes 0.07×0.07×0.85 3.5
[16] 0.698-0.960

1.35-3.8
- Back no 1.2×0.78×0.05 -

[17] 0.65-6 - Back yes 0.9×0.9×2.67 6
[18] 0.865-1.005 0.861-0.92 Back no 0.3×0.9×0.9 4.3
[24] 2.41-2.47 - Back yes 0.5×0.5×0.65 0.4

This paper 4.4-8.94 6.44-6.58 Back no 0.4×0.4×0.98 3.22
IBW=impedance bandwidth, ARBW=axial ratio bandwidth

6.5 GHz, and 6.6 GHz, respectively. The radiation pat-
terns are all half-space radiation. Due to the size of
the via of the reflector and the manufacturing process,
a certain amount of radiation leakage occurs on the
back side.

Table 2 compares the various types of ceiling anten-
nas working in different frequency bands that have been
published with the ceiling antennas proposed in this arti-
cle. The key structural parameters and electrical param-
eters are listed in Table 2. Most of the ceiling-mounted
antennas use coaxial back-feed excitation and the polar-
ization characteristic is LP with a relatively large area.
The fatal flaw in the comparison literature is that the
ceiling-mounted antenna has a radiation zero point in the
radiation direction. The propeller-type ceiling antenna
proposed in this paper does not produce a radiation zero
point in the radiation direction, meanwhile, it obtains a
higher gain in a relatively small volume.

VI. CONCLUSION

In this paper, a novel ceiling-mounted CP antenna is
proposed and implemented. The antenna is loaded with
the inverted L slot structure on a microstrip radiation
patch. Four cross-placed radiating elements are welded
on the reflector substrate whose back has ground to real-
ize half-space CP radiation. The measured impedance
bandwidth reaches 4.5 GHz. The 3 dB AR bandwidth
is 140 MHz. The gain fluctuated from 3.04 dBi to
3.22 dBi in the range of 6.2 GHz to 6.8 GHz. Because
this propeller-shaped ceiling-mounted CP antenna has a
compact structure and good directivity, it can be used in
various wireless communication systems. It is especially
suitable for, by way of example: UAVs, trains, airplanes
or cabins, subway stations and other indoor places.
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Abstract – In this paper distributed parameter equiva-
lent circuits are developed for linear dipoles, dielectric
coated dipoles and lumped loaded dipoles. Theoretical
solutions for each distributed parameter and the reason-
able non-uniform segmentation of antennas serve as the
foundation for the derivation. The accomplished valida-
tions of the modeling procedures indicate that the given
equivalent circuits are capable of correctly describing
dipole antennas in frequency and time domains, with
the advantages of wideband, frequency independence
and unambiguous physical meaning. Relying on the pre-
sented equivalent circuits, broadband issues such as sim-
ulating input impedance, predicting equivalent lengths
and computing transient responses of dipole antennas
can be readily addressed. In addition, the circuit model
provides helpful insights into the analysis and design for
the loaded dipole antennas.

Index Terms – dipole antenna, distributed parameter,
equivalent circuit, non-uniform segmentation, receiving
antenna, transient response.

I. INTRODUCTION

Utilizing equivalent circuits to analyze an antenna
has the advantages of fast operation speed, high effi-
ciency and less consumption of computational resources.
Precise and effective equivalent circuits have emerged
as powerful methods for investigating antenna radi-
ation characteristics [1–5], coupling effects between
array elements [6–7], transient response problems [8–
10], loaded antennas [11–13], and antenna design
and optimization [14–20]. Equivalent circuit model-
ing is a significant area of interest within the field
of antennas. Recent studies have demonstrated that
the interests of equivalent circuit modeling are wide-
band, frequency-independent, simple circuit topology,
ease of parameter computation, clear physical mean-
ing, and the ability to explore transient issues. For
example, reference [21] sought to acquire circuit ele-
ment values with least amount of effort, references
[2, 22] placed emphasis on wideband, precision and

clear physical meaning, and equivalent circuits in [23–
24] are frequency independent realized by the proposed
empirical formulas.

Usual modeling procedures can be summarized
from past literature as follows: first acquire the input
impedance from antenna geometry, next deal with
numerical methods, intuitive approaches or comprehen-
sive methods, then circuit topologies are suggested and
the element parameters are solved, and finally verifi-
cation is undertaken. Relying on extensive optimiza-
tion, numerical methods can give high accuracy, but
at the expense of complicated circuit topologies and
absence of physical meaning. As an example, with sup-
port of a genetic algorithm, reference [25] proposed a
complex equivalent circuit for dipoles, but in which a
negative capacitance was introduced. The key idea of
intuitive approaches is to employ reasonable RLC cir-
cuits to match the resonance phenomenon of a dipole.
In this way, the circuit configurations are always sim-
ple, such as the four-element circuit in [26] and the
five-element circuit in [27], however, these circuits suf-
fered from lack of wideband precision, and the param-
eter solution relies on empirical formulas [23, 28] or a
large number of simulations [29]. Comprehensive meth-
ods employ flexible and suitable use of both intuitive
and numerical approaches. For instance, the calcula-
tion of parameter values for a plasma dipole is con-
ducted via a genetic algorithm [30]. A wideband cir-
cuit is modeled with eigenmode methods in [2], in
which the Moment Method is utilized to compute the
characteristic modes.

It is worth mentioning that the five-element equiv-
alent circuit proposed by Humaid in [27] has triggered
many studies due to its concise circuit topology and clear
physical meaning. For example, equivalent circuits of
a dipole in a lossy medium and dielectric coated wire
antenna are developed by Liao in [23, 31]. The five-
element circuit model is employed to explore the radi-
ation characteristics of the plasma dipole and monopole
in [1, 30] respectively. Moreover, transient responses of
dipoles excited by EMP were investigated and revealed
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in [8] on the basis of the five-element circuit. How-
ever, intuitive models only work with time-harmonic
occasions [2, 27], broadband or transient problems
remain poorly understood, despite being of wide con-
cern in electromagnetic vulnerability. In addition, intu-
itive models for analyzing lumped-loaded antennas are
still unclear.

Taken together, the methods mentioned above are
knowing the results in advance, namely the impedance
characteristics of the antenna, then exploring the model-
ing approaches from the “results”. By contrast, the dis-
tributed parameter equivalent circuit can be attained from
antenna geometry immediately, and theoretically there is
a wideband and frequency independent model [33]. To
investigate the radiation characteristics of a monopole
and the propagating properties of voltage and current on
a dipole, the distributed parameter equivalent circuits are
developed in [4] and [34], respectively, and these stud-
ies highlight the potential advantages of the distributed
parameter equivalent circuit in antenna transient anal-
ysis. However, previous studies have failed to address
the question of modeling procedure, critical factors and
parameter solutions, e.g. equivalent circuit with uniform
segmentation in [4] could not accurately describe the
details of the antenna, and only one radiation resistance
is involved in the circuit in [34], which is inconsistent
with reality.

This study systematically reviews the modeling
approaches for antenna equivalent circuits, aiming to
present a wideband circuit model with simple topology
and clear physical meaning. The subsequent structure
of this study takes the form of four sections. Section
II demonstrates the theoretical calculation of distributed
parameters of a dipole. Section III establishes the equiv-
alent circuits of radiating and receiving dipole antenna
and explores how the segmentation affects the model-
ing accuracy. In Section IV, the validation of the present
equivalent circuits is operated through experiments and
numerical simulations in frequency and time domains,
respectively. The final section sets out further research
on the distributed parameter equivalent circuits of the
dielectric coated dipole and lumped loaded dipole, with
some numerical results.

II. SOLUTION FOR DISTRIBUTED
PARAMETERS

It is a widely held view that the distributed param-
eters of dipole antenna include distributed capacitance,
inductance, resistance and negligible conductance, and
these values are determined by dipole geometry. In the
following discussions and calculations, it is assumed that
a linear dipole is placed in the cylindrical coordinate sys-
tem and along the z axis, with pole length l0 and pole
radius r0.

A. Distributed capacitance

The uniqueness theorem states that the electrical
potential ϕ around the dipole can be solved while
the pole potentials and the zero-potential boundary are
given. With the support of ϕ which meets the Laplace
equation in free space, the charge density on the pole
surface can be acquired. Therefore, the distributed capac-
itance of the dipole is obtained in terms of definition and
electromagnetic constitutive relations,

C (z) =−ε0
πr0

V0

∂ϕ (z)
∂n

, (1)

where ε0 is the permittivity of vacuum, ϕ(z) represents
the potential around the dipole, and V0 is the known pole
potential. The Laplace equation in the cylindrical coor-
dinate system is as follows, and only relating to r and z
direction,

∇2ϕ=
∂ 2ϕ
∂ r2 +

1
r

∂ϕ
∂ r

+
∂ 2ϕ
∂ z2 = 0. (2)

Next, the central difference is utilized to replace the
differential in equation (2),

ϕi, j =

(
ϕi−1, j +ϕi+1, j +ϕi, j−1 +ϕi, j+1

)
4

+

(
ϕi+1, j −ϕi−1, j

)
8i

. (3)

Finally, the distributed capacitance of the dipole
antenna can be calculated via equation (1) and (3).

Take a dipole antenna with pole length l0 = 0.1 m
and pole radius r0 = 0.001 m as an example. Figure 1
plots the distributed capacitance per unit length vary-
ing along pole length. It is observed that the distributed
capacitance at both ends grows sharply, while the middle
part remains steady. Approximately, the dipole antenna
can be divided into three sectors, the sector near the feed-
ing gap with length of 0.2l0, the terminal sector with
length of 0.1l0 and the medial sector with the remaining
length. This variation suggests further studies to evaluate
the impact of the two former sectors on the equivalent
circuit modeling.

B. Distributed inductance

The dipole antenna is considered as a short wire with
total length L0 = 2l0 to derivate the distributed induc-
tance, including external and internal inductance.

The radial current distribution within the wire is
concentrated on its axis to determine the external induc-
tance. It is assumed that the magnetic induction density
at point P outside the wire is dB, which is contributed
by current element Idz on the dipole antenna. Hence, the
total magnetic induction density Bp can be carried out
via integrating dB along the short wire,

Bp =
∫ L0

0
dB=

μ0I
4πrp

⎡
⎣ L0 − zp√

r2
p +

(
L0 − zp

)2
+

zp√
r2

p + z2
p

⎤
⎦ ,

(4)
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Fig. 1. Distributed capacitance per unit length of the
dipole varying along the pole length.

where μ0 is the permeability of vacuum, rp and zp are
the position depiction of point P in the cylindrical coor-
dinate system. Next, integrating Bp along the short wire
to gain the total magnetic linkage outside the wire, then,
the external inductance per unit length is derived as,

Le =
μ0

2π

⎡
⎣ln

L0 +
√

L2
0 + r2

0

r0
−

√
L2

0 + r2
0

L0
+

r0

L0

⎤
⎦ . (5)

Due to the dipole antenna operating at frequencies
in the order of MHz and above, the surface effect depth
is almost zero, which leads to little internal inductance.
Therefore, the distributed inductance of a dipole antenna
is principally its external inductance.

C. Distributed resistance

Resistance consumes power in the equivalent cir-
cuit to represent the thermal loss power and the radi-
ated power of an antenna. Compared with the latter, the
former can be omitted in circuit modeling, hence, only
the radiation resistance is taken into account, and this is
the major contributor that the dipole is deemed to be a
lossy transmission line. From the previous perspective,
the concerned resistance is also distributed, and can be
derived approximately based on current distribution and
other distributed parameters.

Ignoring the variation of current distribution caused
by radiative process, the current on the dipole is similarly
sinusoidal,

I (z) = I0 sin [β (l0 −|z|)] , (6)
where I0 refers to current amplitude and β is the propa-
gation constant.

In an attempt to derivate the distributed resistance,
the dipole antenna is separated into several segments of
equal length, with each radiation resistance represented
by R f . Then, the total radiant power at the operating fre-
quency of the dipole antenna is demonstrated as follows,

Pf =
∫ l0

0

1
2

I2
0 sin2 [β (l0 −|z|)]dzR f . (7)

The radiant power can also be described utilizing
lumped radiation resistance Rl , which is usually 73 Ω at
the first resonance frequency of the dipole antenna [35].
Thus, distributed radiation resistance is denoted as,

R f =
2Rl

l0
[
1− sin(2β l0)

/
2β l0

] . (8)

Equation (8) reveals that the key to carry out the dis-
tributed resistance is the propagation constant β , which
is related to the attenuation constant α ,

β =
2π
λ

√√√√1
2

[
1+

√
1+

α2λ 2

π2

]
, (9)

where λ is the operating wavelength of the dipole. The
lossy transmission line theory shows that α is associated
with antenna distributed resistance,

α =
R f

2Zc
=

R f

2
√

Le
/

C
, (10)

where Le and C are the distributed capacitance
and inductance respectively, Zc is the characteristic
impedance along the dipole, and which can be replaced
approximately by the average characteristic impedance
of the parallel two-wire transmission line,

Zc ≈ Zc = 120
(
ln
(
2l0

/
r0
)−1

)
. (11)

Substituting equation (11) into (10) and combin-
ing with equation (8), the attenuation constant can be
derived as,

α =
Rl

120
(
ln
(
2l0

/
r0
)−1

)
l0
[
1− sin(2β l0)

/
2β l0

] .
(12)

Next, by substituting equation (9) into (12) and
employing the numeric iteration, the attenuation constant
is obtained. Finally, the distributed radiation resistance of
dipole antenna can be attained from equation (10),

R f = 2α ·
√

Le
/

C. (13)

What stands out in these deduced results is that the
solution of each distributed parameter is frequency inde-
pendent. In particular, the complete calculation of the
distributed radiation resistance is suggested, which is a
significant result, this course not having previously been
described.

III. EQUIVALENT CIRCUITS

Referring to the transmission line equivalent circuit,
the distributed parameter equivalent circuit for a radiat-
ing dipole antenna is derived easily, as drawn in Fig. 2,
containing n segments, and the circuit elementary cell is
marked by a red dotted rectangular box.

The two branches up and down of the circuit in
Fig. 2 signify the two poles of the antenna, which
reveals a distinct physical meaning of geometry. V is the
drive voltage on the feeding point and Rk is the feed-
ing impedance, with the value of 50 Ω typically. C1,
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Fig. 2. Distributed parameter equivalent circuit model for
radiating dipole antenna.

C2. . . Cn connected in parallel are the actual capacitances
of each segment, determined by the corresponding seg-
ment length li and distributed capacitance:

Ci =
∫

li
C (l)dl. (14)

The same is true of Li and Ri in the distributed
parameter equivalent circuit.

Equation (14) illustrates that the segmentation of
the dipole antenna is the other decisive factor for accu-
rate circuit modeling, which will be discussed in depth
next, and then, the equivalent circuit for receiving dipole
antenna are demonstrated.

A. Segmentation of dipole antenna

Obviously, the circuit topology grows more compli-
cated as the segments increases, meanwhile cursory seg-
mentation sacrifices the modeling accuracy. Hence, dif-
ferent segmentation ways are considered.

First check uniform segmentation. Four dipole
antennas with different pole lengths ranging from 0.1 m
to 0.3 m and with the same pole radius of 0.005 m are
taken as examples, and uniform segmentations with dif-
ferent segment lengths are handled with these dipoles.
Then, corresponding distributed parameter equivalent
circuits are established to earn resonances. For easier
comparison, the four dipole antennas are simulated uti-
lizing the finite integration method. To measure the mod-
eling accuracy, the absolute difference values between
the first resonant frequencies of equivalent circuits and
simulations are carried out, represented by Δf 1. Without
loss of generality, the ratio of the segment length li to the
minimum wavelength λ min is employed to describe the
level of uniform segmentation. The smaller the ratio, the
tinier the segmentation. Figure 3 displays the curves that
Δf 1 of the four dipoles vary with the ratio li/λ min.

What stands out in Fig. 3 is that Δf 1 of different
dipoles exhibit the same variation, approaching to zero
as the ratio li/λ min decreases. Peculiarly, while the ratio
li/λ min is lower than or equal to 1/10, the difference
Δf 1 is less than 20 MHz, meaning that the first reso-
nance points obtained by equivalent circuits are in good
agreement with the simulated results. For most cases,
the circuit of uniform segmentation with li/λ min ≤ 1/10
is adequate to accomplish time-harmonic problems for
dipole antennas.

Fig. 3. Δf 1 of four dipoles varying with li/λ min.

As inferred in Section II, distributed capacitance
near the feeding gap and the terminal capacitance grows
sharply, requiring fairly short segment length to handle
the details mentioned. Uniform segmentation with pretty
small li/λ min can cope with this problem, but what fol-
lows is more intricate circuit topology containing mas-
sive RLC cells. Consequently, non-uniform segmenta-
tion is indispensable.

Take the antenna with pole length l0 = 0.1 m in
Fig. 3 as an instance, on the basis of uniform segmenta-
tion with li/λ min less than 1/10, the sector near the feed-
ing gap and the end sector are segmented again. Then, the
circuit of non-uniform segmentation and the return loss
are derived, and compared with other results in Fig. 4.

Fig. 4. Comparisons of return loss and input admittance
obtained by simulation and equivalent circuits.

As can be seen from Fig. 4, consistency of the three
methods at the first resonance point of the dipole antenna
is achieved, which is a reasonable result and implies that
further segmentation brings few effects to the first res-
onance. However, there is a significant difference at the
second resonance, that is the circuit of non-uniform seg-
mentation agrees well with the simulation, but differs
from the circuit of uniform segmentation.

This phenomenon illustrates that simple uniform
segmentation with the ratio li/λ min less than 1/10 leads to
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an equivalent circuit lack of wideband accuracy, and fur-
ther segmentation to the sectors with distributed capac-
itance varying rapidly is of great significance in broad-
band equivalent circuit modeling. Meanwhile, the com-
parison of input admittance in Fig. 4 further proves that
the equivalent circuit with the presented segmentation
method exhibits wideband characteristics. Therefore, in
order to handle the transient and broadband problems for
a dipole antenna, the non-uniform segmentation is essen-
tial, and due to the middle sector of a dipole remaining
unchanged in further segmentation, the complexity of
circuit topology is reduced. However, previous reports
make no attempt to consider the important role played
by segmentation.

B. Equivalent circuit for receiving dipole

The principle of reciprocity in antenna theory states
that the receiving mode characteristics are identical to
those of transmitting mode. Thus, the distributed param-
eter equivalent circuit can also be employed to simulate
the receiving antenna, with consideration of the induced
electro motives generated by the incoming plane wave.
As shown in Fig. 5, to construct the receiving equivalent
circuit, the induced electro motives Vei are added to the
elementary cell marked in Fig. 2, with the element values
unchanged.

Fig. 5. Transformation of the elementary cell of equiva-
lent circuit.

In general circumstances, the segment lengths are
small enough, and each segment of the antenna can then
be regarded as short dipole, leading to corresponding
induced electro motives expressed approximately as fol-
lows:

Vei (t)≈ Ei(t)li cosϕ, (15)
where Ei is the incident electromagnetic pulse, ϕ is the
polarization angle, and li is the segment length. It is
believed that the two branches up and down of the receiv-
ing circuit form a current loop, with the equal values
and opposite signs of the induced electro motives of
each segment.

IV. VALIDATION

To validate the presented equivalent circuit, two lin-
ear dipole antennas are measured and simulated in this

Table 1: Component values of the equivalent circuits for
Dipole A and B

No. Dipole A Dipole B
C/pF L/nH R/Ω C/pF L/nH R/Ω

1 0.058 2.81 0.97 0.110 8.17 2.64
2 0.040 3.28 1.47 0.056 7.66 3.30
3 0.033 3.28 1.62 0.093 15.33 7.23
4 0.026 2.81 1.46 0.084 15.33 7.66
5 0.050 6.09 3.33 0.079 15.33 7.90
6 0.046 6.09 3.48 0.15 30.65 16.15
7 0.085 12.19 7.29 0.074 15.33 8.13
8 0.073 11.25 6.92 0.075 15.33 8.08
9 0.073 11.72 7.35 0.078 15.33 7.91

10 0.072 11.72 7.42 0.098 15.33 7.09
11 0.072 11.72 7.44 —
12 0.073 11.72 7.40 —
13 0.079 12.19 7.53 —
14 0.043 6.09 3.61 —
15 0.055 6.09 3.20 —

section. The two antennas are dipole A with pole length
la = 0.127 m and pole radius ra = 0.0017 m and dipole B
with pole length lb = 0.156 m and radius rb = 0.0013 m.
With the help of the theoretical solutions in the previ-
ous sections, the component values of the equivalent cir-
cuit for the two dipoles are displayed in Table 1, and the
numerical simulations are operated via finite integration
techniques.

A. Reflection coefficient

Reflection coefficients of dipole A and dipole B in
frequency range of 1 MHz to 2 GHz are swept utiliz-
ing a VNA in microwave anechoic chamber. Then, the
measurements are compared with the results carried out
by equivalent circuits and simulations in Fig. 6. It is
quite clear that, for the two dipoles, the results of equiv-
alent circuits are consistent with the measurements and
simulations.

Fig. 6. Comparison of reflection coefficients for the two
dipole antennas.
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B. Effective length

The effective length of the antenna is usually
employed to determine the induced voltage on the open-
circuit terminals and also it is related to the far-zone field
radiated by the antenna [35]. Both the equivalent cir-
cuit and numerical simulation can easily reveal effective
lengths of the two dipoles. Measurements are handled
based on the two-antenna method, and the measurements
scene is shown in Fig. 7.

Fig. 7. Measurements scene of effective length.

Firstly, two identical TEM horns are adopted as radi-
ating and receiving antennas respectively, and then the
effective length of the TEM horn antenna can be derived
via the two-antenna method as follows,

he (ω) =

√
2πrZtS21−t (ω)

− jωμ
e− jkr, (16)

where r is the distance between radiating and receiving
TEM horns, Zt = 50 Ω is terminal load of the receiving
horn, S21−t (ω) is the transmission coefficient between
the two horns which is measured by vector network ana-
lyzer, μ is the permeability of vacuum.

Keeping the measurement configuration unchanged,
replace the receiving horn by dipole A and B in
sequence. Then, the corresponding transmission coeffi-
cients are measured. On combining the measured results
with he(ω), we deduce the effective lengths of the
dipoles,

hd (ω) = S21−d (ω)
2πrZt

− jωμe− jkr
1

he (ω)
. (17)

Comparisons of the effective lengths for dipole A
and B are depicted in Fig. 8. It is indicated that the effec-
tive lengths derived by equivalent circuits are mainly
consistent with the simulated and measured results, only
a few discrepancies are observed between the measure-
ments and the other two methods, which may be caused
by measurement inaccuracies.

C. Transient response

To examine the suitability of handling with broad-
band problems via equivalent circuit, transient responses
of the two dipoles are demonstrated in this section. The
experiment configuration is the same as Fig. 7.

Fig. 8. Comparisons of the derived effective lengths for
dipole A and B.

Fig. 9. Incident E-field wave and the normalized spec-
trum.

Figure 9 shows the measured incident E-field, gen-
erated by an ultra-wideband pulser and a radiator. Tran-
sient responses are attained with polarization matching
and the arrival direction aiming at the maximum recep-
tion direction of dipoles, and compared with simulated
and circuital transient responses, as depicted in Fig. 10.

Fig. 10. Transient voltage responses of the two dipoles.

From the graph above, we can see that, for each
dipole, good coherence of the transient response varia-
tions obtained by three methods are observed, both the
pulse of duration and oscillating feature positions on
waves.

These validations highlight that the solutions of dis-
tributed parameters directly from antenna geometry and
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the modeling procedure are proper on the whole. Also,
it proves that the presented equivalent circuit exhibits
wideband accuracy, which is capable of being utilized to
predict effective length and to investigate transient prob-
lems for dipoles.

V. APPLICATION

In this section, the distributed parameter equiva-
lent circuits for a dielectric coated dipole and a lumped
loaded dipole are derived and discussed as an application
of the presented circuit model.

A. Circuit for dielectric coated dipole

Dielectric coating can protect antennas from corro-
sion, and is also widely applied to antenna miniaturiza-
tion. For dipole antennas, dielectric coating just brings
mutations to the distributed parameters, with the circuit
topology unchanged, for radiating and receiving roles.

First derive the distributed parameters. A dielectric
coating dipole can be transformed into a dipole with a
purely magnetic coating, as demonstrated in [36], using
a quasi-static approximation method. A purely magnetic
coating causes little impact on capacitance of the dipole,
so that a dielectric coated dipole can be further trans-
formed into a dipole without any coating to solve its dis-
tributed capacitances. Figure 11 draws the cross sections
of the three mentioned dipoles and the equivalence rela-
tionships among them. Notably, the materials considered
here are homogenous, isotropic and low-loss.

(a) (b) (c)

Fig. 11. Cross sections of dipoles. (a) dipole with coating
dielectric, (b) dipole with coating magnetic material, and
(c) dipole without any coating.

As shown in Fig. 11, the dipole with a coating of
magnetic material is the equivalent one to the dipole in
Fig. 11 (a), with the outer radius of coating b unchanged,
and the inner radius a1 is changed to a2,

a2=b
(
a1
/

b
)1/εrd , (18)

εrd becomes εrm =1, and μrd becomes μrm,
μrm=εrd μrd . (19)

Taking away the magnetic coating, the dipole in
Fig. 11 (b) is transformed to the third dipole antenna,
without changing the radius a2. Next, relying on the pre-
sented method in Section II.A, the distributed capaci-
tance of the dielectric coating dipole can be obtained by

calculating the distributed capacitance of the dipole with-
out any coating in Fig. 11 (c).

The distributed inductance of the dielectric coated
dipole comprises the inductance of the dipole in
Fig. 11 (c) and the additional inductance per unit length
brought by the magnetic coating in Fig. 11 (b). The for-
mer represented by Lm can be calculated via equation (5),
and the latter has been induced in [37],

La =
μ0

2π
[μrm −1] ln

(
b
a2

)
. (20)

In general, distributed resistance engenders little
effect to antenna resonances, so that the solution of dis-
tributed resistance for a dielectric coated dipole is the
same as the dipole without any coating.

Fig. 12. Input conductance (G) and susceptance (B) of
the dielectric coated dipole.

The considered sample geometry is a center-driven
wire antenna with pole length of 0.1 m and pole radius
of 0.001 m, covered with dielectric material of relative
permittivity εcd = 3 and outer radius is 0.002 m. Finite
integration techniques are employed to simulate the input
admittances of the antenna and then compared with the
results gained by the distributed parameter equivalent
circuit, as drawn in Fig. 12, in which reasonable agree-
ments are observed for the two methods.

To investigate the transient response of a receiving
role, a Gaussian pulse with the rise time of 0.3 ns and
amplitude of 1 kV/m is utilized as the incident E-field.
Figure 13 compares the output voltage responses attained
by full wave simulation and its equivalent circuit, agree-
ments are achieved, and only the amplitudes are slightly
discrepant.

B. Circuit for lumped loaded dipole

Loading lumped elements can significantly improve
radiation performances [38–41]. In most situations,
lumped loading position is not reflected by a lumped
parameter equivalent circuit precisely, but it can be
achieved by a distributed parameter equivalent circuit,
relying on clear geometric physical meaning. Thus, it is
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Fig. 13. Time domain responses of the dielectric coated
dipole excited by Gaussian pulse.

foreseeable that the distributed parameter equivalent cir-
cuit is a convenient and efficient way to investigate the
lumped loaded dipole antenna.

In this section, a dipole loaded with a parallel RLC
resonant circuit is demonstrated. The RLC resonant cir-
cuit is located at the symmetrical positions of the antenna
poles, as shown in Fig. 14, in which the loaded compo-
nent values are R0 = 1 kΩ, L0 = 20 nH, C0 = 5.5 pF.

Fig. 14. A dipole loaded with parallel RLC circuit.

The input admittances of the antenna gained by sim-
ulation and the equivalent circuit are plotted and com-
pared in Fig. 15, where the agreements and three reso-
nances are observed, two of them are the intrinsic reso-
nant points of the dipole antenna, and the other one is the
resonance caused by the loaded RLC resonant circuit.

Using the same Gaussian pulse in Section V.A as
the incident E-field, the output voltage responses and the
voltages in loaded resistance are carried out by numer-
ical simulation and equivalent circuit, and compared in
Fig. 16. It is indicated that the transient voltage responses
obtained by the two methods are grossly consistent, so
are the voltages on R0, while the amplitudes are slightly
different.

This section demonstrates two applications of the
distributed parameter equivalent circuit, for simulating
a dielectric coated dipole and a lumped loaded dipole
respectively. Final results indicate that the equivalent cir-
cuits can accurately describe the performances in fre-
quency and time domain of the two antennas. In par-

Fig. 15. Input conductance (G) and susceptance (B) of
the lumped loaded dipole antenna.

Fig. 16. Time domain responses of lumped loaded dipole
excited by Gaussian pulse.

ticular, the presented equivalent circuit provides use-
ful insights into the design of a lumped loaded dipole,
e.g. the loading component values and loading position
can be optimized by parameter sweeping utilizing cir-
cuit simulation software quickly and efficiently, with less
computational time and resources.

VI. CONCLUSION

The aim of this paper is to contribute to the sys-
tematic and complete understanding and modeling of
distributed parameter equivalent circuits for dipoles. All
distributed parameters have been theoretically derived as
the modeling foundation, and reasonable non-uniform
segmentation is employed to increase available band-
width and reduce the complexity of circuit topology.
The validations operated in frequency and time domains
proves that the presented equivalent circuits and mod-
eling approaches are accurate and have the advantages
of broadband, frequency independence and clear phys-
ical meaning, which meets modeling expectations. Uti-
lizing this equivalent circuit, broadband problems such
as simulating input impedance and investigating tran-
sient responses can be carried out. Finally, we extend
the distributed parameter equivalent circuit to dielectric
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coated dipoles and lumped loaded dipoles, which pro-
vides useful insights into the analysis and design for the
two dipoles.

Future work focuses on modeling distributed param-
eter equivalent circuits for wideband antennas, as well as
predicting the near-field radiation characteristics distri-
bution of radiating antenna and investigating the out-of-
band coupling characteristics of receiving antenna based
on distributed parameter equivalent circuits.
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Abstract – In order to increase the encoding capac-
ity and reduce the size of the tag, this paper proposes
the frequency sharing method to design a retransmit-
ted chipless tag, which is composed of N resonators, a
coupled microstrip transmission line, and the orthogo-
nal transmitting antenna and receiving antenna. A pair
of the same size resonators is placed symmetrically on
both sides of the coupled microstrip transmission line.
M open-ended stubs (OES) with different combinations
are embedded in each resonator to obtain different res-
onance frequencies. The frequency sharing multi-state
resonators’ chipless tags are designed where N=6, M=4,
and the dimension of the tag is 46 mm × 30 mm, which
can generate about 212 codes. Simulation and measure-
ment results show good agreement and feasibility of the
tag design. The chipless tag is small in size, has large
encoding capacity and is easy to print. This kind of tag
has no silicon chip so the cost is low. It can be widely
used in logistics, supermarkets and other fields to replace
the barcode.

Index Terms – chipless tag, encoding capacity, fre-
quency sharing, radio frequency identification, resonator.

I. INTRODUCTION

The Radio Frequency Identification (RFID) system
is one of the core technologies in the field of the Internet
of Things (IoT), which is mainly composed of a reader
and tags. The reader is composed of a continuous wave
transmitting circuit, a modulated wave receiving circuit,
and reader antennas to extract the tag’s identification
(ID) and other data information. The tag is a data carrier
that includes a tag antenna and silicon chip [1]. Once the
reader is put into use, it does not need to be replaced, so
its cost is fixed. However, the tags are attached to items
so the quantity is huge. All of the tags are read by the
same reader, so the cost reduction of the RFID system

mainly depends on the cost of the tags [2]. The cost of the
traditional chip-tags mainly depends on the cost of the
silicon chip. The cost of silicon material and the produc-
tion process of the chip are fixed, so the cost of the chip
cannot be cut down. The high cost is the key obstacle for
the application of the traditional chipped tag in low-price
commodities (such as stamps, tickets and envelopes, etc.)
[3]. Therefore, many scholars have begun to design chip-
less tags. The cost of chipless tags depends on the cost
of the conductive material that constitutes the resonant
circuits. Due to removing the tag’s silicon chip, the cost
of the chipless tag is drastically reduced, but it has the
advantages of traditional chip tags, such as non-line-
of-sight (NLOS) reading and automatic identification.
This chipless tag system can also work under extreme
conditions (such as high temperature and high humid-
ity, etc.). However, it has deficiencies in terms of data
capacity and tag size when compared with the traditional
tags [4, 5].

Usually chipless tags are divided into two cate-
gories: time-domain (TD) [6–12] and frequency-domain
(FD) [3, 13–24]. The TD chipless tag is mainly com-
posed of two types, i.e. transmission delay line and
surface acoustic wave (SAW) filter. The transmission
delay line chipless tag works at the nanosecond level.
Signal detection is difficult. At the same time, the
encoding capacity is small, only one or a few bits. It
is mainly used in anti-theft, access control, etc. [6].
Although a SAW chipless tag has high encoding capac-
ity, it requires high-cost piezoelectric materials and can-
not be printed directly [7]. Compared with the TD-
based chipless solutions, the FD-based chipless tag has
many advantages. In addition to easier signal detec-
tion and lower cost of the tag, it also potentially has a
larger encoding capacity depending on the tag size and
available spectrum.

Chipless tags based on the FD have two working
methods: chipless tags extracting Radar Cross Section
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(RCS) spectrum characteristics [13–17] and retransmit-
ted chipless tags [3, 18–24]. The chipless tag based on
RCS does not require receiving and transmitting anten-
nas, and its RCS spectrum structure is responsible for
loading the encoded information. The tag’s encoding
capacity is increased by adding resonators, but the cou-
pling effect will be introduced at the same time. The-
oretically, the reading distance of the RCS chipless tag
will be very far, but it is limited by its actual environ-
ment and requires a complicated algorithm to separate
the RCS signal of the tag in order to decode it. Moreover,
other interference may also be introduced in a complex
environment, so the chipless tag needs constant calibra-
tion. The retransmitted chipless tag requires two orthog-
onal ultra-wideband (UWB) antennas and relevant res-
onator circuits. The transmitting and receiving anten-
nas are orthogonally polarized to each other. There is
no interference between the receiving signal and trans-
mitting signal of the tag, so the reader has the low bit
error rate when reading chipless tags. The reading dis-
tance is further than the RCS chipless tag in the actual
environment. The number of the traditional retransmit-
ted chipless tag resonators is the same as the number
of data bits. Increasing encoding capacity can be imple-
mented by adding the number of resonators. The cou-
pling effect between the resonators can be reduced by
adjusting resonator intervals. Previous papers [3, 18]
have proposed a 6-bit retransmitted chipless tag with
spiral resonators. As the number of spiral resonators
increased to 35, the encoding capacity is increased to
35 bits. Furthermore, the size of this chipless tag is
enlarged correspondingly.

In order to improve the encoding capacity with-
out increasing the dimension of the tag, the retrans-
mitted chipless tag is proposed in this paper which is
composed of frequency sharing multi-state resonators,
wherein each resonator can provide more than two states.
By using the sharing frequency method, the tag can pro-
vide larger encoding capacity with a smaller number of
resonators. There is a ground plate on the back of the tag
which can isolate the influence of the adhesive objects on
the tag’s performance. Chipless tags with a retransmitted
structure have high sensitivity and long reading distance
due to the gain of the antenna and the non-interference
between the receiving and transmitting signals of the
tag. The communication distance of the chipless tag
with this structure is 30 cm. The tag can be widely
used in logistics, supermarkets and other fields to replace
the barcode.

II. WORKING PRINCIPLE OF THE
RETRANSMISSION CHIPLESS TAG

Figure 1 is the working principle diagram of the
retransmission chipless tag with multi-state sharing fre-

Fig. 1. Working principle of the retransmitted chipless
tag with multi-state sharing frequency resonators.

quency resonators. The tag includes a vertically polar-
ized receiving antenna, a horizontally polarized trans-
mitting antenna, multi-state resonators and a coupled
microstrip transmission line. The transmitting antenna
of the reader transmits the UWB interrogation signal
with a uniform spectrum to the chipless tag, and the
receiving antenna of the tag receives the UWB inter-
rogation signal and transfers it to the multi-state res-
onator coupling circuits by the microstrip transmission
line. The multi-state resonator coupling circuits adopt
cascaded multi-state resonators with M embedded OES
to encode the data, which forms a series of spectral sig-
natures in the UWB signal spectrum. At the same time,
the data of the chipless tag is loaded into the spectral
signatures of the UWB signal. The transmitting antenna
of the chipless tag retransmits this UWB signal with
encoded spectrum signatures back to the reader; then, the
data information can be obtained by the decoding circuit
and certain algorithms. The receiving and transmitting
antennas of the reader are also orthogonally polarized
to avoid the mutual interference between the transmit-
ted signal and the received encoded signal in the reader.
The transmitting antenna of the reader and the receiv-
ing antenna of the tag have the same polarization charac-
teristic, and the receiving antenna of the reader and the
transmitting antenna of the tag have the same polariza-
tion characteristic.

III. SIMULATION DESIGN

Figure 2 is the structural parameter diagram of the
multi-state resonators of M=4. W1 is the width of the
coupled microstrip transmission line, t is the longitudinal
interval between the embedded OES, and g and w2 are
the length and width of the OES, respectively. The length
and width of all embedded OES are equal. d1 is the dis-
tance between the resonator and the coupled microstrip
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Fig. 2. Structural parameters diagram of the multi-state
resonators.

transmission line, and d2 is the distance between adjacent
resonators. The RO4350 dielectric substrate has low loss,
reasonable cost, small circuit size, good stability and
consistency compared with other microwave substrates.
The dielectric constant of 3.66 makes the circuit size
not too large. The thickness of substrate is 0.508 mm,
and a thin substrate can reduce the surface waves.
Therefore, Rogers microwave board RO4350 (with
εr=3.66, tan δ=0.004, h=0.508 mm) is selected as the
substrate.

This chipless tag can also be printed directly on
other low-cost dielectric substrates, such as packaging
cartons, plastic bottles or glass. But the size of the res-
onator needs to be adjusted and the coding rules are not
affected.

The characteristic impedance Z0 of a single
microstrip line in a homogeneous medium is expressed
as follows [25]:

Z0 =
η

2π
√

εre
ln

⎡
⎣F

u
+

√
1+

(
2
u

)2
⎤
⎦ , (1)
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−
(
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u
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where εre is the effective dielectric constant, η = 120π ,
Ω is the wave impedance in free space, u is the ratio of
the width of the microstrip to the height of the substrate
(u=W1 / h), F is a value related to the u, and
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εr +1
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εr −1
2

(
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10
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where εr is the relative dielectric constant, a is a value
related to u, and b is a value related to relative dielec-
tric εr. The accuracy of this expression applies to εr ≤
128 and 0.01 ≤ u ≤ 10. The equations of a and b are as
follows [26]:
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b = 0.564
(

εr −0.9
εr +3

)0.053

. (5)

From equation (1), the thickness of the dielectric
substrate h=0.508 mm and the relative dielectric constant
εr=3.66, then the width (W1) of the Z0=50 Ω microstrip
transmission line can be obtained by the program code
shown in Fig. 3.

Fig. 3. Relevant code for numerically solving microstrip
width.

Figure 3 is the program code for numerically solv-
ing the microstrip width. After ensuring the relative
dielectric constant of the substrate, the thickness of
the substrate and the characteristic impedance of the
microstrip, the width W1 of the microstrip with the char-
acteristic impedance of 50 Ω is 1.11 mm using the
dichotomy method. The structure parameters W1, d1, w2,
t and g are defined by continuous simulation and opti-
mization through High-Frequency Structure Simulator
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(HFSS) software. After adjusting the structural param-
eters, the resonant frequency interval of adjacent res-
onators is more than 250 MHz, which effectively reduces
the mutual interference. Adjust the structural parame-
ter d2 by HFSS software to reduce the coupling effect
between adjacent resonators. Through continuous opti-
mization and adjustment of the resonators, the structural
parameters of the multi-state resonator tag for frequency
sharing are finally determined. The specific values of the
structural parameters are shown in Table 1.

Table 1: Structural parameters of the multi-state res-
onator (unit: mm)

W1 d1 d2 g t w2
1.07 0.2 2.2 0.9 1 0.5

Different resonance frequencies can be obtained
by various combinations of OES. When the maximum
number of OES embedded in a resonator is 4, there
are 14 structural combinations, as shown in Table 2.
Among them, structures 2 and 3, structures 4 and 5, and
structures 6 and 7, etc. are the same size and same res-
onance signature, respectively. Their equivalent circuits
and resonance frequencies are the same as well. There-
fore, there are only eight different resonance frequencies.
But the adjacent resonance frequencies are quite close

Table 2: Structural combinations of a resonator with var-
ious amounts of embedded OES
Structure

1

Structure

2

Structure

3

Structure

4

Structure

5

Structure

6

Structure

7

Structure

8

Structure

9

Structure

10

Structure

11

Structure

12

Structure

13

Structure

14

and may cause interference. Considering the above fac-
tors, for N=1 and M=4, the five structures of 1, 5, 8, 12
and 14 are selected in Table 2, thus five resonance fre-
quencies are obtained correspondingly. N is the number
of resonators of different sizes.

The simulation results of the resonator with N=1
and M=4 using an HFSS simulator are shown in Fig. 4,
when w2, g and t are 0.5, 0.9 and 1.0 mm, respec-
tively. The curves with resonance frequencies f 1, f 2, f 3,
f 4 and f 5 correspond to the resonators of structures 1,
5, 8, 12 and 14 in Table 2, respectively. The f 1-f 5 res-
onant frequency point includes 7.97, 8.46, 8.81, 9.22
and 9.58 GHz, which has the maximum notch depth of
−20 dB.

Fig. 4. Response curve of the five-state single resonator
structure (N=1, M=4).

When N=3 and M=4, there are 15 resonance fre-
quencies. The schematic diagrams of the structure are
shown in Fig. 5. Where f NM is the resonance fre-
quency of the N-th resonator, the number of the embed-
ding OES is M. The resonance curves of simulation
for the structure diagram of Fig. 5 with the parame-
ter values of Table 1 are shown in Fig. 6. The inter-
vals between the resonance frequencies corresponding
to the spectral signature are within 250-490 MHz. The
spectral signatures do not interfere with each other
and the notch depth is between −11 dB to −18 dB.
There is a weak interference with a notch depth of
−3 dB at 9.91 GHz; however, for the resonance fre-
quency f 15=9.72 GHz, the notch depth reaches −17 dB,
the interference will not affect the encoding state. The
set of 15 resonance frequencies in Fig. 6 is shown in
Table 3, wherein the maximum and minimum intervals
are 490 MHz and 250 MHz between adjacent resonance
frequencies.
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(a) (b)

(c) (d)

(e)

Fig. 5. Schematic diagram of the structure (N=3, M=4):
(a) f 31f 21f 11; (b) f 32f 22f 12; (c) f 33f 23f 13; (d) f 34f 24f 14;
(e) f 35f 25f 15.

Fig. 6. Resonance curves of the multi-state resonators
(N=3, M=4).

Table 3: All resonance frequencies of the three multi-
state resonators (unit: GHz)

f 11 f 12 f 13 f 14 f 15
7.97 8.46 8.84 9.31 9.72
f 21 f 22 f 23 f 24 f 25

5.98 6.35 6.76 7.23 7.66
f 31 f 32 f 33 f 34 f 35

4.54 4.83 5.09 5.34 5.71

In order to improve the encoding capacity without
increasing the dimension of the tag, using the sharing
frequency method, a pair of the same size resonators
is placed symmetrically on both sides of the coupled
microstrip transmission line. The schematic diagram of
the structure is shown in Fig. 7. When N=2, M=4, where
N is a pair of the same size resonators, it can provide 15
different resonance frequencies. If a pair of the same size
resonators is the resonator as shown in Fig. 5, it can be
generated thus:

. (6)

On the frequency axis, f 1f 1, f 2f 2, f 3f 3, f 4f 4 and f 5f 5
are all shown as curves with one resonance notch, and
other data are shown as curves with two different reso-
nance notches. However, in the above matrix (6), the data
of the upper triangle and the lower triangle are repeated,
which will cause data confusion in the tag identifica-
tion of the item (for example, f 1f 2 and f 2f 1 have the
same coding state on the spectrum). Therefore, the fre-
quency combinations of the red or blue triangle box can
be encoded. The total of 15 different resonance frequen-
cies can be generated by using the sharing frequency
method. For three pairs of resonators, there will be 153

codes, which is about 212. The combination method in
mathematics can be used to calculate the number of dif-
ferent resonance frequencies.

Fig. 7. Schematic diagram of resonators of the same size
in pairs (N=6).

Figures 8 (a), (b), (c) and (d) are the reso-
nance curves of tag coding f 31f 35f 21f 25f 11f 15,
f 33f 35f 23f 24f 12f 14, f 32f 34f 22f 24f 12f 13 and f 32f 33
f 22f 23f 13f 15 based on the sharing frequency multi-
state resonators. Table 4 shows the combinations of
the resonance frequency encoding states of the four
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(a) (b)

(c) (d)

Fig. 8. Resonance curves of four sharing frequency multi-state resonator tags: (a) f 31f 35f 21f 25f 11f 15; (b)
f 33f 35f 23f 24f 12f 14; (c) f 32f 34f 22f 24f 12f 13; (d) f 32f 33f 22f 23f 13f 15.

Table 4: Resonance frequency of four sharing frequency multi-state resonator tags (unit: GHz)
f 31f 35f 21f 25f 11f 15 f 31 f 35 f 21 f 25 f 11 f 15

Frequency Shift Compared With
Table 3

4.52 5.76 5.93 7.72 7.97 9.68

0.02 0.05 0.06 0.06 0 0.04
f 33f 35f 23f 24f 12f 14 f 33 f 35 f 23 f 24 f 12 f 14

Frequency Shift Compared With
Table 3

5.08 5.73 6.76 7.28 8.47 9.37

0.01 0.02 0 0.05 0.01 0.06
f 32f 34f 22f 24f 12f 13 f 32 f 34 f 22 f 24 f 12 f 13

Frequency Shift Compared With
Table 3

4.80 5.45 6.39 7.30 8.46 8.85

0.03 0.11 0.04 0.07 0 0.01
f 32f 33f 22f 23f 13f 15 f 32 f 33 f 22 f 23 f 13 f 15

Frequency Shift Compared With
Table 3

4.86 5.16 6.28 6.73 8.82 9.69

0.03 0.07 0.07 0.03 0.02 0.03
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tags. Comparing the simulation results in Table 4 and
Table 3, the maximum frequency offset is f 34 in tag
f 32f 34f 22f 24f 12f 13, which is 110 MHz. The maximum
frequency offset does not exceed the minimum fre-
quency interval of 250 MHz in Table 3, which will not
cause error code.

IV. EXPERIMENT RESULTS

In accordance with the simulation results, sev-
eral chipless tags with sharing frequency multi-state
resonators are fabricated, named f 31f 35f 21f 25f 11f 15,
f 33f 35f 23f 24f 12f 14, f 32f 34f 22f 24f 12f 13 and f 32f 33
f 22f 23f 13f 15. Figure 9 is the photograph of the chipless
tags with sharing frequency multi-state resonators. It
can be seen that the tag is small in size, compared to the
dime coin as a reference.

(a) (b)

(c) (d)

Fig. 9. Photograph of chipless tags with sharing fre-
quency multi-state resonators: (a) f 31f 35f 21f 25f 11f 15;
(b) f 33f 35f 23f 24f 12f 14; (c) f 32f 34f 22f 24f 12f 13; (d)
f 32f 33f 22f 23f 13f 15.

Figure 10 is the test system of a retransmitted chip-
less tag based on multi-state resonators. Ceyear vector
network analyzer 3672D is used as an alternative to the
UWB reader. The two ports of the network analyzer
are connected to the two UWB disc monopole anten-
nas, which are orthogonal to each other to improve the
transceiver isolation of the reader. The chipless tag is
also connected to two orthogonal UWB disc monopole
antennas through two microwave connectors. In order to
prevent the received signal and the transmitted signal of
the tag from interfering with each other, the two-sided
UWB antennas of the tag are also orthogonal to each
other. The reader antennas and the tag antennas are fixed
on the foam, and the distance between them is 30 cm.

The UWB disc monopole antenna is designed on
RO4350 substrate with the structure of the literature [27],
with the relative dielectric constant 3.66, the loss tangent
0.004, and the thickness of the substrate 1 mm. The axial
ratio (AR) curve of the disc monopole antenna with a

Fig. 10. Test system.

Fig. 11. The AR curve of the UWB disc monopole
antenna.

radius of 10 cm is shown in Fig. 11. The AR is much
greater than 3 dB within the UWB frequency band, so the
UWB disc monopole antenna has linearly polarized radi-
ation. The polarization characteristics of the transmitting
antenna of the reader and the receiving antenna of the tag
are the same, but as they are orthogonal to the polariza-
tion characteristics of the transmitting antenna of the tag,
polarization isolation will be formed. The transmitting
antenna of the reader will not receive any signal from
the tag. However, the receiving antenna of the reader can
receive the signal from the tag. Similarly, the polariza-
tion characteristics of the receiving antenna of the reader
and its transmitting antenna are orthogonal, so they will
not affect each other. Just like the transceiver anten-
nas of the reader are orthogonal to each other, the tag’s
transceiver antennas are also orthogonal to each other.
The configuration structure of the transceiver antenna
of the reader and the tag’s transceiver antenna is shown
in Fig. 10.
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(a) (b)

(c) (d)

Fig. 12. Simulation and measurement of resonance curves of four sharing frequency multi-state resonators tags: (a)
f 31f 35f 21f 25f 11f 15; (b) f 33f 35f 23f 24f 12f 14; (c) f 32f 34f 22f 24f 12f 13; (d) f 32f 33f 22f 23f 13f 15.

The UWB disc monopole antennas have the charac-
teristics of omnidirectional radiation. In practical appli-
cations, the surrounding environment will definitely
affect the chipless tag system. At this time, a UWB lin-
early polarized directional antenna is needed to reduce
the impact of environmental factors on the tag system.

Figures 12 (a), (b), (c) and (d) show the charac-
teristic results of simulation and measurement to the
sharing frequency encoded tags. It can be seen from
Fig. 12 that the simulation is consistent with the actual
measurement. The maximum deviation of the reso-
nance frequency points between the simulation and the
measurement is 140 MHz, which is lower than the
guard band of single resonance frequencies. The dif-
ferent amplitude between the simulation and measure-
ment of each tag is mainly affected by the two anten-
nas matching the tag and the performance of the UWB
antenna. It will not affect the tag’s encoding state.
The spectral signatures can correctly reflect the tag’s
encoding data.

V. DISCUSSION

The mutual coupling between the resonance units
can be reduced by increasing the spacing between the
adjacent resonators. However, the resonance frequency
shift may be generated. Figure 13 shows the resonance
curve when the resonator spacing d2 is changed in
Fig. 5 (a). When d2 increases from 1.5 mm to 4.6 mm,
the resonator in the middle is affected by the res-
onators on both sides, and the resonance frequency is
slightly shifted. The resonators on both sides are less
affected, and the resonance frequency points are almost
unchanged. The mutual coupling effect between the
resonators can be reduced by adjusting the resonator
spacing d2.

Figures 14 and 15 are the simulated resonance
curves of Structure 1 in Table 2 when the width w2
and length g of the OES are changed, respectively. As
w2 becomes wider and g becomes longer, the reso-
nance frequency becomes smaller, while the bandwidth
occupied by the resonator is almost unchanged. As w2
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Fig. 13. Resonance curves of the resonator when spacing
d2 is changed from 1.0 mm to 4.6 mm.

Fig. 14. Resonance curves of the structure 1 when w2 is
changed from 0.3 mm to 1.0 mm.

becomes wider, the notch depth of the resonance fre-
quency becomes shallower.

For a tag of N=3 and M=10, a single resonator has
11 different resonance frequencies, and 3 resonators of
different sizes have a total of 33 different resonance fre-
quencies. In order that adjacent resonance frequencies
do not affect each other, the structural parameters w2,
g and t are adjusted to 0.2 mm, 0.6 mm and 0.4 mm,
respectively through simulation. According to the simu-
lation results, the three resonators’ working bandwidths
are shown as f 11-f 15, f 21-f 25, and f 31-f 35 in Table 4. As
long as the resonator structures of Figs. 5 (a) and 5 (e)
are simulated, the operating bandwidths of the tags can
be determined, and the simulation results are shown in

Fig. 15. Resonance curves of the structure 1 when g is
changed from 0.5 mm to 1.5 mm.

Fig. 16. Where f ’NM is the resonance frequency of the
N-th resonator, the number of the embedding OES is M.
The operating bandwidths of the three resonators f ’11-
f ’111, f ’21-f ’211, and f ’31-f ’311 of M=10 are 4.14-5.18,
5.74-8.18 and 8.96-11.46 GHz, respectively. The notch
depth is between −5.8 and −15.23 dB. However, the sec-
ond harmonic of f ’311 appears at 10.14 GHz in Fig. 16.
The notch depth of the 2nd harmonic is −3.65 dB. This
interference of the 2nd harmonic on the spectrum sig-
nature can be removed by signal processing and cer-
tain algorithms. For N=3 and M=10, the total of 33
resonant frequency signatures can generate 113 codes,
which is about 210. When the number of resonators is
six, the encoding state of the chipless tag based on the

Fig. 16. Operating bandwidth of sharing frequency
multi-state resonator tags where N=3, M=10.
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Table 5: Comparison of different types of retransmitted chipless tags
Resonator Type Operating

Frequency Band

(GHz)

Capacity

(bits/cm2)

Encoding Capacity

(bits/cm2/GHz)

Tag Area

(mm2)

Substrate

Spiral [3] 3-7 0.61 0.15 88×65 Taconic
TLX-0

Spiral [19] 5-11 0.33 0.06 108×64 Taconic
TF-290

Open Stubs [20] 4-9 0.24 0.05 110×60 Rogers 4003C
Open Loop [22] 3-6 0.25 0.08 85×38 Rogers 5880

Purline Resonators
[23]

2.4-4.2 0.09 0.05 150×60 C-
MET/LK4.3

Cascades E-shaped
[24]

3.3-4.3 0.05 0.05 160×100 C-
MET/LK4.3

Multi-state
Resonators (N=6,
M=4) (Proposed)

4.8-9.7 0.87 0.18 46×30 Rogers 4350

sharing frequency multi-state resonators is 663, which is
about 218.

Table 5 shows the comparisons among different
retransmitted chipless tags, including the aspects of
bandwidth (GHz), capacity (bits/cm2), encoding capac-
ity (bits/cm2/GHz), tag area (mm2) and substrate. It
can be seen that the proposed chipless tags show the
most promising properties as the retransmitted chipless
tag among all the listed results. Although the spiral
resonator chipless tag has high capacity, this tag is
limited by its large area. The open loop resonator has
low encoding capacity of 0.08 bits/cm2/GHz and a
large area compared with this work. The open stubs,
purline and cascades E-shaped resonators also have
large tag areas and low encoding capacity. In summary,
the retransmitted chipless tag of the OES multi-state
resonator that we propose in this paper has a small area
and large encoding capacity.

VI. CONCLUSION

This paper proposes a chipless tag for sharing fre-
quency multi-state resonators based on the retransmis-
sion structure. This work demonstrates a frequency shar-
ing method based on the retransmitted chipless tag. U-
shaped microstrip resonators are used to embed some
OES lines to implement the frequency sharing, which
achieves the purpose of saving spectrum and improv-
ing spectrum utilization. The number of different reso-
nance frequencies of the sharing frequency can be cal-
culated using a combination in mathematics. The shar-
ing frequency method aims to realize small size tags
with a large encoding capacity. This chipless tag includes
U-shaped microstrip resonators, the OES line and a
50 Ω microstrip transmission line. The sharing fre-
quency multi-state resonator chipless tag was fabricated

on RO4350 substrate. The operating frequency band of
4.8-9.7 GHz is designed where N=6, M=4, a pair of the
same size resonators is placed symmetrically on both
sides of the coupled microstrip transmission line. This
chipless tag with an area of 46 × 30 mm2 can generate
about 212 encoding states. The capacity is 0.87 bits/cm2.
The encoding capacity is 0.18 bits/cm2/GHz. The com-
munication distance is 30 cm. Each resonator has only
two states in the traditional retransmitted chipless tag.
Six resonators can only realize 26 encoding states, whose
encoding capacity is less than the multi-state resonators.

Using HFSS software, simulation shows that
the intervals between the resonance frequencies
corresponding to the spectral signature are within 250-
490 MHz, and the spectral signatures do not interfere
with each other. The simulation and measurement are
in good agreement. This paper increases the number of
embedded OES in the U-shaped microstrip resonator
to increase the coding capacity. The sharing frequency
method is used to improve the spectrum utilization rate.
In the future, it is proposed to further increase the coding
capacity and solve the key problem of anti-collision
of the chipless tag. The cost of this chipless tag is
low which means it can be widely used in logistics,
supermarkets and other fields to replace the barcode.
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Abstract – This paper shows that the received power and
E-field in a reverberation chamber (RC) can be shaped
by tuning the statistical properties of input signals.
For a given probability density function (PDF) of an
RC response, the Fourier transform method can be
applied to find the PDF of the input signal. Numerical
and measurement verifications are given to validate the
theory. Limitations are also analyzed and discussed.

Index Terms – probability density function,
reverberation chamber.

I. INTRODUCTION

A reverberation chamber (RC) is a highly resonant
electrically large cavity which is equipped with
mechanical stirrers inside (Fig. 1 (a)). The stirrers
are used to tune the boundary conditions inside the
cavity to generate statistically isotropic and uniform
electromagnetic fields. In recent years, RCs have been
widely used in electromagnetic compatibility (EMC) and
over-the-air (OTA) testing [1, 2]. Unlike an anechoic
chamber which is designed as a deterministic system,
an RC was born to be a statistical environment. It has
been found that for a well-stirred RC, the received power
has an exponential distribution and the magnitude of the
rectangular E-field component (|Ex| ,

∣∣Ey
∣∣ or |Ez|) has a

Rayleigh distribution [3]. In vehicles, ships and planes,
when more cavities are cascaded or nested, the E-field
magnitude may no longer be Rayleigh distribution.

Due to the inherent statistical properties of an RC,
a Rayleigh distribution (or a Rician distribution) can be
well emulated, and theK-factors can be tuned statistically

(a)( )((((( )

(b)

Fig. 1. (a) Typical measurement setup in an RC; the inner
dimensions are 0.94 m × 1.16 m × 1.44 m. (b) Multi-
cavity coupling model.

[4–8]. By combining an RC with a channel emulator, a
complex channel response can be emulated [9–11].

However, it does not seem easy to emulate
response with arbitrary statistical distributions. If more
distribution functions are expected in the channel
emulation, refined controls are necessary. This paper
proposes a method to control the PDF of RC responses
in the frequency domain (FD), which can be used for the
emulation of multi-cavity statistics in a single RC instead
of actually using multiple connected cavities.

Submitted On: January 10, 2023
Accepted On: April 24, 2023

https://doi.org/10.13052/2023.ACES.J.380405
1054-4887 © ACES



XU, TIAN, ZHAO, JIA, CHENG, XING: SHAPING THE PROBABILITY DENSITY FUNCTION OF THE OUTPUT RESPONSE 264

In this paper, Section II presents the theory, Section
III starts from a simplified scenario and demonstrates
the product of two random variables analytically and
experimentally. Limitations and generalizations to multi-
cavity models are discussed in Section IV.

II. THEORY

In the FD, when an RC is well-stirred and the
magnitude of the input signal is a constant, the
magnitude of rectangular E-field (|Ex|) inside the RC has
a Rayleigh distribution [3]:

pY (y) = ye
− y2

2σ2y /σ2
y , y = |Ex| , (1)

of which the expected value and the standard deviation
are σy

√
π/2 and σy

√
2−π/2, respectively. When the

statistical property of the input signal can be controlled,
the PDF of the RC response (Eout) can be tuned.
Generally, the product of two random variables Z =
X ×Y can be used to synthesize the output response
of a system, where X , Y and Z are the input variable,
transfer function and output variable, respectively. Thus,
the problem can be mathematically described as: for the
given PDFs of random variable Z and Y , and Z = X ×Y ,
what is the PDF of random variable X?

A misleading procedure is to use X = Z/Y
to calculate the PDF of X , which is wrong. The
result will depend on specific set of Z and Y . This
procedure can be understood from the Mellin transform:
when using X ′ = Z/Y , the Mellin transform of the
PDF of random variable X ′ can be obtained as
MZ (s)MY (2− s)=MX (s)MY (s)MY (2− s) which is not
equal to MX (s) (only when MY (s)MY (2− s) = 1) [12].
To find the PDF of X , a direct method is to use the
Mellin and inverse Mellin transform, the result can be
obtained quickly as M−1[MZ (s)/MY (s)]. However, the
numerical Mellin and inverse Mellin transform are not
easy to calculate. In this paper, we adopt an approach
with Fourier transforms.

From Z = X ×Y , we have lnZ = lnX + lnY when
X and Y are positive. Suppose the PDF of lnZ , lnX and
lnY are plnZ(z), plnX(x) and plnY(y), respectively. We
have

HlnZ ( jω) = HlnX ( jω)HlnY ( jω) , (2)

where HlnZ ( jω), HlnX ( jω) and HlnY ( jω) are the
Fourier transforms of plnZ(z), plnX(x) and plnY(y),
respectively. (e.g., HlnX ( jω) =

∫ +∞
−∞ plnX(x)e− jωxdx).

Thus, the PDF of the input signal plnX(x) can be
calculated by using the inverse Fourier transform

plnX (x) = F−1 [HlnZ ( jω)/HlnY ( jω)] . (3)

Finally, by applying the variable transform eX to
lnX , the PDF of X (in linear unit) can be obtained.

III. DERIVATIONS AND VERIFICATIONS

When two RCs are nested or contiguous [13],
a double-Rayleigh PDF response can be obtained.
Suppose we want to emulate a double-Rayleigh PDF
response in a single RC. We can control the magnitude
of the input signal to have a random excitation. Assume
the magnitude of the input signal has a PDF of

pX (x) = xe
− x2

2σ2x /σ2
x , x = |Ein| , (4)

and the RC has a transfer function (Y ) given in (1), the
PDF of the response has been obtained in [13] as

pZ (z) =
z

σ2
x σ2

y
K0

(
z

σxσy

)
, z = |Eout| , (5)

where K0(.) is the zero-order modified Bessel function of
the second kind, and the expected value and the standard
deviation of (5) are σxσyπ/2 and σxσy

√
4−π2/4,

respectively. |Ein| and |Eout| represent the magnitude of
the input signal (E-field) and the output signal (E-field),
respectively. From (4), the PDF of lnX can be obtained
as

plnX (x) = e2xe
− e2x

2σ2x /σ2
x , x = ln |Ein| , (6)

of which the mean and the standard deviation are
ln2/2+ lnσx−γ/2 and π

√
6/12, respectively (γ≈0.5772

is the Euler-Mascheroni constant). The Fourier transform
of (6) is

HlnX ( jω) =
(√

2σx

)− jω
Γ(1− jω/2) . (7)

The Fourier transform of plnY (y) is the same as (7)
but σx is replaced by σy. It can be verified that the Fourier
transform of

plnZ (z) =
e2z

σ2
x σ2

y
K0

(
ez

σxσy

)
, z = ln |Eout| , (8)

is

HlnZ ( jω) =
(
2σxσ y

)− jω Γ2 (1− jω/2) . (9)

To verify this procedure numerically, Monte-Carlo
simulations are performed with parameters σx = 1
and σy = 4. We solve the PDF of X from Z and Y
using the numerical method and compare the results
with analytical expressions. 106 samples of X and Y
are generated with Rayleigh distributions. The output
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variable Z = X ×Y can be obtained. The histograms of
lnZ and lnY are illustrated in Fig. 2 (a) with analytical
expressions. The corresponding Fourier transforms are
presented in Fig. 2 (b), in which the numerical Fourier
transforms are calculated from the histograms. Finally,
the PDF of lnX is inverted numerically using (3)
and compared with original histogram and analytical
expression in Fig. 2 (c). It can be observed that the
numerical results agree well with analytical solutions
with acceptable small differences. These differences
are caused by the finite samples used in Monte-Carlo
simulations and the truncation errors in the Fourier and
inverse Fourier transform.

 
(a) 

(b) 

(c) 

Fig. 2. (a) The PDF plots of lnZ and lnY , (b) the
magnitude of the Fourier transforms, and (c) the inverted
PDF of lnX and analytical expression.

Instead of using the magnitude of the E-field, the
derivations can also be verified using the received power.
Suppose

px2 (x) = e−
x

ux /ux, x = Px, (10)

where the expected value and the standard deviations are
both ux (ux= 2σ2

x ). The power transfer function Y 2 has

a PDF similar with (10). The PDF of the output power
Z2 = X2 ×Y 2 can be obtained as

pZ2 (z) =
2

uxuy
K0

(
2
√

z
uxuy

)
, z = Pout, (11)

where uy= 2σ2
y is the expected value of pY2 (y). The

expected value and the standard deviation of (11) can be
derived as uxuy and uxuy

√
3 respectively.

Measurement verifications were performed in an
RC with inner dimensions of 0.94 m × 1.16 m ×
1.44 m. Two stirrers were rotated synchronously with
1◦/step, and 360 stirrer positions were used. Twenty-one
frequency samples were collected in the frequency range
of 5.98 GHz – 6.02 GHz at each stirrer position. With
360 stirrer positions, we have 21×360=7560 samples
and the PDF of the magnitude of the measured S21 is
illustrated in Fig. 3 (a). By tuning the magnitude of the
input signal at each frequency and each stirrer position,
the output PDF can be shaped. Instead of using a constant
input magnitude, σx is used to control the mean value
of the voltage, random voltage samples with a Rayleigh
distribution of σx = 1 V/m were generated to excite the
RC as shown in Fig. 3 (b). The output histogram and
the analytical equation plot are illustrated in Fig. 3 (c).

 
(a) 

 
(b) 

(c) 

Fig. 3. (a) PDF plot of the measured normalized E-field
transfer function, (b) PDF plot of excited samples, and
(c) PDF plot of the magnitude of the output E-field.
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Not surprisingly, a double-Rayleigh PDF was obtained
for the RC response which agrees well with the analytical
expression.

IV. LIMITATIONS AND
GENERALIZATIONS

We have demonstrated that the PDF of the output
of an RC can be synthesized with controlled input.
This technique could be applied to scenarios involving
channel emulations in multi-cavities. However, the
output PDF cannot be arbitrary. Intuitively, one cannot
synthesize a constant output (the PDF is δ (x− x0)) to
eliminate the inherent statistical property of an RC. It
has been shown that the Fourier transform HX ( jω) of a
PDF pX (x) (also named as characteristic function with j
replaced by −− j) has some characteristics [14]:

1) HX (0)= 1, it is non-vanishing in a region around zero;
2) |HX ( jω)|≤1, it is bounded;
3) HX (− jω)=HX ( jω)∗, it is Hermitian.

Thus when two random variables are multiplied,
we have |HX ( jω)| |HY ( jω)|≤|HY ( jω)| and it is
impossible to generate |HZ ( jω)| > |HY ( jω)|. The
inequality for the relative standard deviations can be
derived as stdrel (Z) = stdrel(X × Y ) ≥ stdrel(Y ). The
proof is detailed as follows:

From the mean inequality we have
√

1
n ∑n

i=1 x2
i ≥

1
n ∑n

i=1 xi, thus the integral form is
√∫ +∞

−∞ pX (x)x2dx ≥∫ +∞
−∞ pX (x)xdx. When X and Y are positive random

variables (e.g., E-field magnitude, power):∫ ∞

0
pX (x)x2dx ≥

(∫ ∞

0
pX (x)xdx

)2

, (12)

∫ ∞

0
pX (x)x2dx

∫ ∞

0
pY (x)x2dx−

(∫ ∞

0
pX (x)xdx

∫ ∞

0
pY (x)xdx

)2

≥
(∫ ∞

0
pX (x)xdx

)2
[∫ ∞

0
pY (x)x2dx−

(∫ ∞

0
pY (x)xdx

)2
]
,

(13)

√∫ ∞
0 pX (x)x2dx

∫ ∞
0 pY (x)x2dx− (

∫ ∞
0 pX (x)xdx

∫ ∞
0 pY (x)xdx)2∫ ∞

0 pX (x)xdx
∫ ∞

0 pY (x)xdx

≥
√∫ ∞

0 pY (x)x2dx− (
∫ ∞

0 pY (x)xdx)2∫ ∞
0 pY (x)xdx

,

(14)

which is stdrel(X × Y ) ≥ stdrel(Y ). This means that
the relative standard deviation of the output cannot be
reduced when the input is also a random variable.

The results can be generalized to multiple cascading
cavities as shown in Fig. 1 (b). When the couplings

between cavities are small and the transfer functions are
independent, the output can be expressed in the form of
Y = ∏n

i=1 Yi. If each Yi has a Rayleigh distribution with
parameter σi, the PDF of Y can be derived as

pΠ (y) = 2
n2−4n+2

2 y3−nσn−4
Π ×

G
(
[[], []], [[a1,a2, . . . , an], []],

y2

2nσ2
Π

)
, (15)

where G(•) is the Meijer G-function defined in [15],
a1 = a2 = · · · = an = (n−2)/2 and σΠ = ∏n

i=1 σi.
The expected value and the standard deviations are
(π/2)n/2σΠ and 2−n/2σΠ

√
4n −πn respectively. When

n → ∞, the relative standard deviation approximates to

lim
n→∞

2−n/2σΠ
√

4n −πn

(π/2)n/2σΠ
= lim

n→∞

2−n/2√4n −πn

(π/2)n/2
∼
(

2√
π

)n
.

(16)

It is interesting to note that the relative standard
deviation does not depend on parameters σ1, σ2, . . . , σn
and is only a function of cavity number n. Similarly,
when each Y 2

i has an exponential distribution with
parameter ui, the PDF of the power transfer function
Y 2 = ∏n

i=1 Y 2
i can be obtained as

pΠ2 (y) = y2−nun−3
Π ×

G([[], []], [[b1,b2, . . . , bn], []],
y

uΠ
), (17)

where b1 = b2 = · · · = bn = n − 2 and uΠ = ∏n
i=1 ui.

The expected value and the standard deviations are uΠ
and uΠ

√
2n −1 respectively. Approximately, when n is

large, by applying the CLT (Central Limit Theorem),
lnY = ∑n

i=1 lnYi. lnY can be approximated using a
normal distribution N(μ,σ). It can be found that μ =
n(ln2− γ)/2+ lnσΠ and σ = π

√
6n/12. By applying the

variable transform eY to lnY , a lognormal PDF for Y can
be obtained which is [16]

p(y) = e−
(μ−lny)2

2σ2 /
(

yσ
√

2π
)
, (18)

where the mean value and the standard deviations
are eμ+σ2/2 and

√
e2μ+σ2

(eσ2 −1), respectively. It is
interesting to note that, although the PDF can be well
approximated for lnY by using the CLT, because of the
exponential function, the mean value from the lognormal
PDF is biased, i.e. eμ+σ2/2 �= (π/2)n/2σΠ.

Note that we have not considered the time domain
(TD) response in this work. To shape the power delay
profile of the output, we may need to shape the input
signal in the TD. This has been achieved by using
a channel emulator in [11]. It is also possible to use
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a single signal generator to achieve similar results,
however, to shape the output statistics in both FD and
TD is still challenging. We only emulate FD responses
in this paper, when the statistical properties of the FD
and TD response of a system are both in constraints, TD
operations (deconvolutions with the impulse responses)
would be necessary. To emulate this scenario, it would be
necessary to use the measured impulse responses from
multi-cavities and control the excited impulse signals
precisely in the TD if a single cavity is used.
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Abstract – In this paper, a phase gradient metasurface
(PGM) is proposed to reduce the radar cross-section
(RCS) of the dihedral corner based on phase cancellation
mechanism. The phase cancellation mechanism is used
to derive the formula of the low-detectable dihedral
corner for the first time, which is directly used to deal
with the wave path difference problem that introduced
by the dihedral corner. According to the formula, six
sub-cells are designed with a 60◦ phase difference,
which is arranged by sub-array along the y-axis. The
reflection coefficients of the selected sub-cells are all
above 0.8. The RCS reduction of the dihedral corner
achieves over 10 dB from 4.9 GHz to 5.14 GHz
under an incident angle of 45◦. In particular, the
RCS reduction of the low-detectable dihedral corner is
13.97 dB at 5 GHz. Meanwhile, the proposed dihedral
corner with PGM also has an excellent performance
of angle insensitivity ranging from 0◦ to 75◦. To
further verify our design, the dihedral corner with
PGM is manufactured by a low-cost printing circuit
board technique. The measured results agreed well
with the simulations, and both of them show an
excellent performance of RCS reduction in the operating
frequency band, regardless of any angle within 75◦.
Overall, the dihedral corner with PGM that we proposed
has the advantages of being low-detectable, low-profile,
low-cost, lightweight, and it is easy to design and
manufacture. It has wide application prospects in the
future.

Index Terms – low-detectable dihedral corner, low-
profile metasurface, phase cancellation, phase gradient
metasurfaces, radar cross-section, wave path difference.

I. INTRODUCTION

The dihedral corner, which normally forms between
the aircraft’s tails, is a typical scattering structure
of a radar target. Its feature recognition is of
crucial significance for detecting complicated targets,
and it also serves as the basis for researching the
scattering properties of gradual scatters. In the design
of low-detectable targets, the dihedral corner is a
significant scattering source, and it is critical to regulate
its scattering characteristics. At present, the control
methods for dihedral corner scattering characteristics
mainly include the loading of lossy materials [1–2],
optimization of the included angle of the dihedral corner
[3–4], passive loading [5–6], etc.

Metasurface [7–9] is a sub-wavelength unit with
special manipulability for amplitude, phase, and
polarization of electromagnetic (EM) waves, which
has been applied in many fields, such as metalenses
[10–11], perfect absorbers [12–13], holograms [14–15],
polarization controllers [16–17], anomalous reflection
[18–19], and radar cross-section (RCS) reduction
[20–21]. As an important type of metasurface, phase
gradient metasurface (PGM) consists of a series of
phase discontinue cells, which were first mentioned
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by Yu [22]. In [22], it generates an optical vertices
beam by constructing eight different reflection angles.
Thenceforth, PGM has gained extensive attention
[23–25]. By regulating the phase gradient of PGM, the
wavefront of the electromagnetic wave can be changed
as needed, so that PGM provides another method for the
scattering control of the dihedral corner. However, the
research on RCS reduction of PGM is mainly focused
on the flat [23–25]. As far as we know, PGM is hardly
ever used for the RCS reduction design of the dihedral
corner [9]. An approach to achieve RCS reduction
of the dihedral corner where the RCS is determined
by multiple-bounce mechanisms is proposed [9]. The
suggested method additionally makes use of array theory
to specify precise guidelines to avoid grating lobes [9].
Nevertheless, they ignored the issue of the wave path
difference that the dihedral corner itself introduced.
According to the related researches, the wave path
difference is particularly important to solve the RCS
reduction of the dihedral corner, and it is necessary to
carry out this research in-depth.

In this paper, the method of phase cancellation,
by combining the wave path difference between two
planes of the dihedral corner with the phase gradient
of the PGM was presented to control the RCS of
the dihedral corner. The formula of the low-detectable
dihedral corner, which directly addresses the wave path
difference issue that the dihedral corner itself introduces,
is derived based on phase cancellation mechanism for
the first time. The working principle is given in detail.
The RCS reduction of the dihedral corner with PGM
achieves over 10 dB between 4.9 GHz and 5.14 GHz at
a 45◦ incidence angle. In particular, the RCS reduction
of the low-detectable dihedral corner is 13.97 dB at 5
GHz. Furthermore, the suggested dihedral corner with
PGM shows outstanding property in terms of angle
insensitivity between 0◦ and 75◦. Above all, simulation
and measurement demonstrate that our method can
reduce the dihedral corner’s RCS. The dihedral corner
with PGM has potential applications in reducing the RCS
of the dihedral corner.

II. DESIGN AND SIMULATION

The dihedral corner usually consists of two perfect
electric conductors (PECs) in xoy and yoz planes, as
shown in Fig. 1. When the plane wave is incident on
PEC along yoz at 45◦, it will be reflected onto the
xoy plane according to generalized Snell’s law. Due
to differing propagation pathways, the phase difference
will appear, resulting in a strong scattering far-field, this
will increase the possibility of detecting. To solve this
problem, PGM is intended to replace PEC in the xoy
plane to compensate for wave path difference, providing
a sequence of continuous phase abrupt of variable

Fig. 1. Schematic of the working principle of the low-
detectable dihedral corner.

size. According to the passive cancellation principle,
scattering performance will rapidly decrease with a
reasonable phase arrangement. The detailed design flows
are as follow.

Assuming the periodicity of the sub-unit cell of
PGM is p, the distance between the center point of the
nth unit cell (xoy plane) and its mirror point (yoz plane)
about the symmetry plane S is

dn =

√
2(2n−1)

2
p, (1)

where n is the position of the nth unit cell.
The plane wave incidences dihedral corner at 45◦.

Using the principle of phase cancellation, we can derive
Equation 2,

φMSn + k0dn −φPEC = π +2Mπ, (2)
where φ MSn and φ PEC are the phases of the metasurface
and PEC of the nth cell, respectively, k0 = 2π/λ 0 is the
propagation constant, λ 0 is the wavelength in free space,
and M is an integer.

The reflection phase of PEC is –π , the
corresponding phase of the unit cell of the PGM
that needs to be designed is deduced as

φMSn =−
√

2(2n−1)π
p

λ0
+2(m+1)π. (3)

The phase shift between adjacent cells of PGM can
be derived

dφ = φMS(n−1)−φMSn = 2
√

2π
p

λ0
. (4)

It can be seen from Equation (3) that we can reduce
the RCS of the dihedral corner by adjusting the phase
of PGM, and the phase difference between adjacent sub-
units can be determined by Equation (4).

A reflective low-profile metasurface is chosen here,
which is a typical sandwich structure. The proposed
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Fig. 2. Schematic illustration of the unit cell structure of
metasurfaces with variable m.

unit cell is the type of sub-wavelength structure, and its
parameters are shown in Fig. 2. The top layer is a simple
copper square patch with conductivity of 5.8 × 107 S/m
with length of m. The FR-4 substrate backed by PEC
plane has thickness of h = 3 mm (0.05λ 0) with dielectric
constant of 4.3 and loss tangent of 0.025, and the period
of the cell is p = 7.07 mm. The phase of the metasurfaces
can be adjusted by changing the parameter m.

To get the desired phase gradient, parameter m is
swept by the numerical calculation software CST Studio
Suite. In the simulation setup, the EM waves are incident
at a 45◦ angle. The boundary condition is unit cell along
the x- and y-axis, and open (add space) boundary along
the z-direction. The reflection phase and the detailed
geometrical parameters m of six sub-cells are listed at
5 GHz in Table 1. From Table 1, it can be seen that the
phase difference between adjacent cells is almost 60◦. In
the local enlarged image of Fig. 3, the supercell of PGM
is composed by these six sub-cells.

(a) (b)

Fig. 4. Simulated reflection coefficients for the unit cells with the change of m, at 5 GHz, (a) amplitude and (b) phase.

Table 1: The reflection phase and the geometrical
parameters m of the six unit cells at 5 GHz

N 1 2 3 4 5 6

m (mm) 6.7 6.83 7.02 2.72 6.33 6.58
Phase (◦) 329.89 269.46 209.90 150.23 89.53 29.95

 

Fig. 3. Schematic diagram of the dihedral corner with
metasurface. The local enlarged image corresponding to
the red frame above the picture is the supercell of the
designed metasurface.

All cells have a strong reflection due to the existence
of PEC ground. As illustrated in Fig. 4 (a), the reflection
amplitude of six sub-cells exceeds 0.8 in the simulation
frequency band. Additionally, the reflection phase can
cover 360◦ by changing the values of m, as shown in
Fig. 4 (b).

The supercell is periodically arranged to form the
PGM with the size of 254.52 mm × 254.52 mm, which
is composed of 36 × 36 unit cells. In Fig. 3, we show the
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dihedral corner with PGM, which is composed of PGM
in the xoy plane, and the copper plate is designed with
the same size in the yoz plane.

III. SIMULATION RESULTS AND
DISCUSSION

To better validate the method mentioned above, the
RCS of the dihedral corner with and without PGM are
simulated. The dihedral corner without PGM serves as
the comparison group, which only consists of metal
plates. Figure 5 shows the RCS of the dihedral corner
with and without PGM under transverse electric (TE)
polarization wave impinging at 45◦. As seen in Fig. 5,
the RCS of the dihedral corner with a low-profile
metasurface is significantly lower than the comparison
group in the frequency range of 4.75 GHz to 5.25 GHz.
The RCS reduction of the dihedral corner achieves over
10 dB from 4.9 GHz to 5.14 GHz. According to Fig. 5,
the RCSs of the dihedral corner without and with PGM
at 5 GHz are 13.1 dB and -0.87 dB, respectively. This
means the RCS reduction of the low-detectable dihedral
corner is 13.97 dB at 5GHz. The simulation results
demonstrate that over 10 dB RCS reduction (RCSR) is
realized at 5 GHz, which is virtually in line with the
above estimate.

Fig. 5. Simulated RCS of the dihedral corner with
and without PGM at 45◦ oblique incidence at different
frequencies.

To further evaluate the RCSR performance, the
monostatic RCS under oblique incidence is simulated at
5 GHz. As shown in Fig. 6, RCS is reduced with the
variation of the incident angle range from 0◦ to 75◦.
As a result, the proposed dihedral corner with PGM has
outstanding RCS reduced performance across a specific
angle range.

To better understand the mechanism of RCS
reduction, the 3D bistatic scattering patterns of the

  

Fig. 6. Simulated RCS of the dihedral corner with and
without PGMs at 5 GHz at different azimuth angle.

dihedral corner with and without PGM are illustrated
when the incident angle is 45◦ and the operation
frequency is at 5 GHz, as shown in Fig. 7. The RCSs
of the dihedral corner without and with PGM are 13.1
dB and -0.87 dB, respectively. The reflected energy of
the dihedral corner without PGM is centered on the
main lobe, as shown in Fig. 7 (a). On the contrary, the
main lobe is split, and the magnitude has a significant
reduction when PGM is loaded, as seen in Fig. 7 (b).
According to the energy conservation principle, the main
lobe of the dihedral corner with PGM is effectively
suppressed. Therefore, the dihedral corner with the
purposed PGM has the property of RCS reduction.

Fig. 7. 3D bistatic scattering pattern of the dihedral
corner under oblique incidence angle at 45◦ at 5 GHz,
(a) without metasurface and (b) with metasurface.

IV. MEASUREMENT RESULTS

To further verify our design, a sample with a size
of 254.52 mm × 254.52 mm is manufactured by low-
cost printing circuit board (PCB) technology. Figure 8
exhibits the photograph of the sample with a zoomed
view of the 1 × 6 array of PGM’s supercell. The RCS
of the sample is measured in the microwave anechoic
chamber. The measured results are compared at various
frequencies when the plane wave is incident at 45◦.
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Fig. 8. The photograph of the manufactured sample.
The local enlarged image corresponding to the red
frame above the picture is the supercell of the designed
metasurface.

To verify the accuracy of the measurement, we
replot the simulation results in Fig. 9. The experimental
results are in good agreement with the simulation results.
The experimental results demonstrate that the RCS of
the dihedral corner with PGM is obviously lower than
the dihedral corner without PGM in the frequency range
of 4.75 GHz to 5.25 GHz. The RCS reduction of the
dihedral corner achieves over 10 dB from 4.95 GHz to
5.11 GHz. In Fig. 5, the RCSs of the dihedral corner
without and with PGM are 12.03 dB and −1.08 dB
at 5 GHz, respectively. Namely, the RCS reduction of
the low-detectable dihedral corner is 13.05 dB at 5GHz.
From Fig. 9, the results of simulations and measurements
show that over 10 dB RCSR is achieved at 5 GHz, which
is essentially in line with the aforementioned design.

Meanwhile, to assess the RCSR’s performance, we
measured the RCS of the dihedral corner with and
without PGM at 5 GHz at different azimuth angles.

Fig. 9. Simulated and measured RCS of the dihedral
corner with and without PGM at 45◦ oblique incidence
at different frequencies.

Fig. 10. Simulated and measured RCS of the dihedral
corner with and without PGM at 5GHz at different
azimuth angles.

Similar to Fig. 9, we display the simulation results in
Fig. 10. The sample shows excellent angle insensitivity
performance in the range of 0◦ to 75◦, as illustrated
in Fig. 10. Both of them agree well with simulation
results, with slight deviations due to manufacturing
and measurement errors. Above all, the measurements
corroborate our method and demonstrate that our design
can reduce the RCS of the dihedral corner.

V. CONCLUSION

In this paper, a novel design method has been
proposed to reduce the RCS of the dihedral corner
according to the principle of phase cancellation
combined with PGM. With the loading of a low-
profile metasurface (0.05λ 0) on the dihedral corner,
phase cancellation is performed directly on the wave
path difference introduced by the dihedral structure
itself, to achieve RCS reduction of the dihedral corner.
The guidance formula of a low-detectable dihedral
corner based on phase cancellation mechanism is
derived for the first time, which directly solves the
wave path difference issue due to the dihedral corner
structure itself. According to the guiding formula,
six different phase reflection sub-cells are designed
with 60◦ phase differences. Low-detectable dihedral
corners are demonstrated to be effective in reducing
the backscattered power utilizing the simulation of RCS
and 3D bistatic scattering patterns. Both simulation and
experiment show an excellent RCS reduction over 10 dB
at 5 GHz with a 45◦ incident angle. Moreover, the PGM
is still effective when the incidence angle ranges from
0◦ to 75◦. This study provides a novel and meaningful
approach to design a low-RCS dihedral corner, which
can be applied to complex electromagnetic regulation
scenarios. The low-detectable dihedral corner also has
the benefit of being lightweight because it only requires
one-sided loading with the low-profile metasurface,
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which was manufactured by a low-cost PCB technique.
To verify the effectiveness of the method, we only show
its application in the microwave band. Actually, the
method can be used at any frequency. Furthermore, the
method does not entail absorbing materials. So, it has the
potential to be used in high-temperature settings.
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Abstract – This paper introduces a localized masked
thermal therapy method for only the breast through the
Fresnel region. A pyramidal horn antenna has been used
as a hyperthermia system applicator. The antenna is fed
by a Yagi array and resonates at 4.74 GHz. A metal
plate with a square slot masked the breast phantom. The
antenna irradiates the breast phantom for 5 and 10 min-
utes with input power of 10 and 20 watts (W). Ther-
mal and specific absorption rate (SAR) distributions are
studied under the same conditions for a fair compari-
son between masked and unmasked system performance.
The square slot dimensions are altered, and their effects
are studied considering the phantom heated area. Mov-
ing from unmasked to masked hyperthermia scenarios,
a heated area size reduction of 99.87 % is achieved
along with a very considerable SAR value reduction. The
masked scenario elevates the breast temperature to 43 ◦C
in a very concentrated area. The proposed system can
elevate only an area of 2×2 mm2 of the breast tissue to
a temperature of 40 ◦C in 5 minutes, and that is a very
promising result in hyperthermia therapy applications.

Index Terms – antenna, array, hyperthermia, near-field,
SAR.

I. INTRODUCTION

Hyperthermia is a therapeutic procedure used for
the treatment of some cases of cancer [1, 2]. To destroy
the cancerous cell, the tumor temperature is raised to
a higher value than the surrounding normal body tis-
sues. It involves achieving and maintaining tempera-
tures of the order of 42-45◦C for several minutes at the
tumor location. A higher level of water content present
in tumor cells increases their conductivity, leading to
higher absorption of electromagnetic energy. It has been
shown [3, 4] that hyperthermia treatment increases the
effectiveness of chemotherapy and radiotherapy. Hyper-
thermia can be performed on the whole body, or be
regional or localized, depending on the size of the tissue

region to be heated. In localized hyperthermia, only the
local tumor region is heated and is mainly used for the
treatment of superficial tumors. Providing uniform heat-
ing and not overheating the surrounding healthy tissue
region are the two most important challenges associated
with hyperthermia.

Based on the mechanism used for heating, the hyper-
thermia applicator’s exposure region can be classified
into near- and far-field. In far-field exposure, a directive
antenna is used under free space conditions for exposing
biological samples [5–7]. Many techniques have been
applied to analyze the power density distribution in the
sample under test [7]. Far-field exposures have low expo-
sure efficiency (10-15%). For an antenna to achieve high
power density, there are two possible ways: Increase
the output power [6, 7], or add an extra parameter for
enhancing power transfer to the tissue [5]. Hence recent
research has moved to near-field exposure which offers
better exposure efficiency and results in high power den-
sity levels absorbed by the biological sample. A literature
review of antenna arrays used for hyperthermia treatment
and operating in the near-field region is introduced and
summarized in Table 1. The comparison considers the
frequency of operation (fo), the antenna type and area,
the distance from the phantom (D), and the targeted tis-
sue region. In addition, it shows whether any matching
medium was used with the applicator or not.

In this paper, a masked electromagnetic near-field
effect over a human voxel model for different power
and exposure time values is described. Human breast
phantom is chosen for investigating near-field exposure
effects on hyperthermia therapy efficiency. Firstly, the
system performance is tested in the applicator’s Fresnel
region at a distance with a maximum value of normal-
ized power density. Then, it is masked by 12×12 cm2 of
conducting metal sheet. The sheet has a square slot at
its center. The square slot dimensions are altered and its
effect on the breast phantom heated area is investigated.
SAR and thermal results are obtained using the computer
simulation technology (CST) simulator under the same
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Table 1: Different hyperthermia applicators
Ref. [8] [9]

fo (GHz) 0.915 0.433
Tissue Arm Fat

Applicator 8-dipole array 4×2 planar array
Area cm2 22×22 56×50
D (cm) 2 17.4

Matching med. Water bolus Water bolus
Results E-field SAR

Ref. [10] [11]
fo (GHz) 2.45 1.8

Tissue Breast Breast
Applicator water-loaded

diagonal horns
16 flexible

planar antennas
Area cm2 15×15×0.2 2.336× 3.921
D (cm) 0 0

Matching med. Water bolus Customized
liquid

Results E-field and SAR Heat and SAR
Ref. [12] [15]

fo (GHz) 4.86 2.45
Tissue Breast Breast

Applicator Rectangular grid
array

Circular grid
array

Area cm2 15×17.5 170 x 250
D (cm) 6 8.7

Matching med. No No
Results Heat SAR and Heat

condition for a fair comparison. The breast phantom is
exposed to the antenna’s electromagnetic wave for 5 and
10 minutes and with different input power (10 W and
20 W) at the applicator input. The suggested system can
raise only a 2×2 mm2 patch of breast tissue to a tempera-
ture of 40 ◦C in 5 minutes, which is a highly encouraging
finding for applications of hyperthermia treatment.

II. HYPERTHERMIA THERAPY IN
FRESNEL REGION

In this section, the applicator and its parameters are
investigated. The proposed hyperthermia setup with and
without the metal mask is presented.

A. Dielectric loaded Yagi fed dual band pyramidal
horn applicator

The main goal of designing a hyperthermia appli-
cator is to destroy the cancerous tissue with minimal
damage to the healthy cells. A narrow beamwidth and
low sidelobe level pyramidal horn antenna at 4.74 GHz
based on placing a ten directors Yagi array as an exciter
have been introduced in [13]. The dimensions of the
rectangular waveguide, with (b ≤ a) and L = 0.75λg =
0.75c/ f , as shown in Fig. 1 (a), are given by equation (1)

where λg is the guided wavelength, and μ , ε , and c are
the medium permeability, permittivity, and speed of the
light respectively.

fc =
1

2
√με

√(m
a

)2
+
(n

b

)2
. (1)

For air-filled waveguide, operating frequency
f= 4.74 GHz and cutoff frequency fc= 3 GHz, the
waveguide dimensions a, b, and λg are found to be 5
cm, 3 cm, and 19.16 cm, respectively, considering the
Transverse Electric T E10 mode. The pyramidal horn
antenna is fed by the Yagi array. The design equations
for the pyramidal horn antenna are given by:

G = 10log10 Go. (2)
The desired antenna gain Go is assumed to be 15 dB:

a1 =
√

3λρh, (3)

b1 =
√

2λρe. (4)
The pyramidal horn slant height is determined by:

le = (b1−b)

√(
ρe

b1

)2

−1
4
. (5)

Antenna sectorial E and H-Plane are provided by:

ψe = sin−1 b1

2ρe
, (6)

ρe=x1λ λ (7)

ψh = sin−1 a1

2ρh
, (8)

ρh =
λG2

8x1 π3 , (9)

x1 =
G

2π
√

2π
. (10)

The calculated and simulated antenna dimensions
are given in Table 2.

Table 2: Pyramidal horn antenna dimensions
Dimension a1 (cm) b1 cm) le cm) ψe(deg)
Calculated 16.11 12.22 7.62 31.18
Simulated 11.37 9.37 10.88 16.59

A Teflon rectangular parallelepiped is used as a
dielectric material where the Yagi array is placed for
horn feeding purposes, as shown in Fig. 1 (a). Direc-
tors’ length, position, separation, and number are cho-
sen carefully to obtain a high gain performance. Antenna
gain of 13.4 dBi, a side lobe level of −25.4 dB, and a
3 dB beamwidth of 39.3◦ are obtained at 4.74 GHz, as
shown in Fig. 2 (a), for the E-plane. For the H-plane,
gain of 13.4 dBi, a side lobe level of −25.6 dB, and
a 3 dB beamwidth of 37.9◦ are obtained at 4.74 GHz.
The co- and cross-polarization patterns are shown in
Fig. 2 (b). The antenna has a minimum cross-polarization
of 16 dB compared to the co-polarization pattern as
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(a)

(b)

Fig. 1. Dielectric loaded pyramidal horn antenna. (a)
Side view. (b) Top view.

XOZ plane YOZ plane
(a)

Co-polarization pattern Cross-polarization pattern
(b)

(c)

Fig. 2. (a) Simulated E-plane and H-plane. (b) Co- and cross-polarization pattern. (c) 3D radiation patterns at
4.74 GHz.

−90◦ ≤ θ ≤ 90◦. The 3D radiation pattern is shown in
Fig. 2 (c). The applicator is fabricated and measured for
validation purposes. The measured S-parameter agreed
with the simulated result with an acceptable discrepancy
due to the manual assembly process of the antenna, as
shown in Fig. 3. The simulated antenna bandwidth is
extended from 3.65 GHz to 5.55 GHz in case of not
using the Yagi fed but with a sidelobe level of −13.3 dB
at 4.74 GHz. Using the Yagi fed, the sidelobe level
becomes −25.6 dB at 4.74 GHz. The simulated band-
width is extended from 3 GHz to 3.6 GHz, and from
4.6 GHz to 4.87 GHz. The antenna has a very direc-
tive beam, low side lobe level, and high-power capabil-
ity, which make it very good candidate for the proposed
hyperthermia application.

The depth of focus, focal plane width, and sidelobe
levels are the three most crucial characteristics that may
be used to describe a near-field focused (NFF) antenna
[14]. The distance between two −3 dB points at the point
of maximum power density in a direction normal to the
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(a)

(b)

Fig. 3. (a) Simulated and measured S11 parameter of the
dielectric pyramidal horn antenna. (b) Fabricated dual
band dielectric loaded pyramidal horn antenna photo.

antenna aperture is known as the depth of focus. The
term “focal plane width” refers to the area surrounding
the focus point, on a plane perpendicular to the antenna
aperture, where the maximum power density is larger
than −3 dB on a normalised scale. For optimum hyper-
thermia therapy performance within the near-field expo-
sure region, the breast phantom should be located at the
distance with maximum power density. The normalised
power density in the Z direction from the antenna aper-
ture is displayed as shown in Fig. 4 with the antenna in
free space. The power density in free space reaches its
peak at 20 mm from the antenna aperture. The distance
between the two −3 dB points on either side of the great-
est power density (the depth of focus) is determined to be
125 mm. A contour map of the power density was cre-
ated at the greatest power density point at Z=20 mm from
the antenna aperture in order to determine the breadth of
the focal plane spot region. As shown in Fig. 5, the focal
plane’s width in the XY plane is determined to be 60 by
60 mm.

Fig. 4. Near-field normalized power density.

Fig. 5. Normalized power density contour at 20 mm from
the antenna aperture.

B. Unmasked hyperthermia therapy setup

In medical applications, the width of the focal plane
is very important where the electromagnetic energy
is mostly concentrated. The tumor region should be
located at the focal plane to avoid healthy tissues dam-
age. Depending on normalized power density results, as
shown in Fig. 4, the human breast phantom has been
located at 20 mm along the z-axis from the antenna
aperture. An ambient temperature of 38◦C is consid-
ered. The breast tissue is irradiated for 5 and 10 minutes.
Thermal and SAR distribution are studied at an antenna
input power of 10 W and 20 W. As shown in Fig. 6,
the simulated infected region temperature increases from
38 ◦C to 40.38 ◦C and 41.3 ◦C after an exposure time
of 5 minutes and 10 minutes, respectively, with 10 W
input power. While at 20 W input power, the tempera-
ture reached 43.3 ◦C and 45.2 ◦C after 5 and 10 minutes,
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(a)

(b)

(c)

Fig. 6. Simulated unmasked near field. (a) Heat distribu-
tion at 5 minutes. (b) Heat distribution at 10 minutes. (c)
SAR at 10 W input power.

respectively, as illustrated in Fig. 7. SAR values inside
the phantom reached 0.868 and 1 W/Kg over 1 g volume
for 10 W and 20 W respectively, as shown in Figs. 6 (c)
and 7 (c). In contrast, it exceeded the maximum value
(1.6 W/Kg averaged over 1 g volume by Federal Com-
munication Commission FCC [16–17]) at limited points
at the expense of a small (−3 dB) spot area.

C. Masked hyperthermia therapy setup

In this section, the width of the focal plane that is
irradiated in the infected region of the breast is controlled

(a)

(b)

(c)

Fig. 7. Simulated unmasked near field. (a) Heat distribu-
tion at 5 minutes. (b) Heat distribution at 10 minutes. (c)
SAR at 20 W input power.

by a centered slotted metal sheet with dimensions of
12×12 cm2. The square slot is aligned with the tumor-
infected area, as shown in Fig. 8 (a). The metal sheet is
20 mm from the antenna aperture and is in contact with
the breast. The square slot dimensions are altered and
its effect on the breast phantom heated area is given in
Table 3.

Figures 8–10 show the effect of input power and
exposure time on the temperature of the infected breast
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(a)

 
(b)

(c)

 
(d)

Fig. 8. Simulated masked near field. (a) Scheme. (b) Heat
distribution at 5 min. (c) Heat distribution at 10 min. (d)
SAR at 10 W input power and mask slot dimension of
4×4 cm2.

(a)

(b)

(c)

Fig. 9. Simulated masked near field. (a) Heat distribution
at 5 minutes. (b) Heat distribution at 10 minutes. (c) SAR
at 20 W and mask slot dimension of 4×4 cm2.

area considering the masked scenario. The heated area
is calculated considering a reference temperature of 40
◦C. Considering the unmasked scenario, the heated area
is 50 × 60 mm2. That area is reduced to 27 × 35
mm2, 15 × 12 mm2, and 2 × 2 mm2 considering the
masked scenario and slot dimensions of 40× 40 mm2,
20 × 20 mm2, and 10 × 10 mm2, respectively. Input
power of 20 W and exposure time of 5 min is consid-
ered in both masked and unmasked scenarios. A heated
area size reduction of 99.87 % is obtained considering
the masked scenario with a slot area of 10×10 mm2. As
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Table 3: Slot area effect on masked and unmasked hyper-
thermia schemes

Scheme Power/Time
(W/min)

Area
(mm2)

Tmin
(◦C)

Tmax
(◦C)

Unmasked 20 /5 50 x 60 40 49.5
Unmasked 20 /10 53 x73 40 49.7
Unmasked 10 /5 24 x 38 40 43.29
Unmasked 10 /10 54 x 36 40 43.4

Slot area = 40 ×40 mm2

Masked 20 /5 27 x 35 40 43.15
Masked 20 /10 30 x 38 40 43.79
Masked 10 /5 5 x 12 40 40.26
Masked 10 /10 16 x 15 40 40.26

Slot area = 20×20 mm2

Masked 20 / 5 15 x 12 40 43.78
Masked 20 /10 15 x 21 40 44.07

Slot area = 10×10 mm2

Masked 20 / 5 2 x 2 40 40.81
Masked 20 /10 4 x 3 40 40.87

(a)

(b)

Fig. 10. Simulated masked near field. (a) Heat distribu-
tion at 5 min. (b) Heat distribution at 10 min at 20 W and
mask slot dimension of 2 ×2 cm2.

the exposure time increases from 5 to 10 min, the heated
area size reduction of 99.69 % is obtained. The highest
SAR value decreases from 7.07 W/kg in the unmasked
situation to 5.49 W/kg in the masked scenario, and from

(a)

(b)

Fig. 11. Simulated masked near field. (a) Heat distribu-
tion at 5 min. (b) Heat distribution at 10 min at 20 W and
mask slot dimension of 1×1 cm2.

14.1 W/kg in the unmasked scenario to 11 W/kg in the
masked scenario when input power is 10 W and 20 W,
respectively. The veiled situation cannot reach 49 ◦C,
however temperatures between 40 ◦C and 43 ◦C are still
sufficient for hyperthermia treatment.

III. CONCLUSION

A masked near-field localized thermal therapy
method was introduced. A 4.74 GHz pyramidal horn
antenna was used as a hyperthermia system applica-
tor. The antenna irradiated a breast phantom for 5 and
10 minutes with input power of 10 and 20 W. Ther-
mal and SAR distributions were investigated. Consider-
ing the masked scenario with input power of 20 W and
exposure time of 5 min and 10 min, a heated area size
reduction of 99.87 % and 99.69 % were obtained, respec-
tively. Moving from an unmasked to a masked scenario,
the maximum SAR value was reduced from 7.07 W/kg,
to 5.49 W/kg with input power of 10 W and from 14.1
W/kg to 11 W/kg, with an input power of 20 W. The
masked scenario elevated the temperature to 43 ◦C in
a very concentrated area and that is very promising in
hyperthermia therapy applications.
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Abstract – A linear-rotary flux-switching permanent
magnet (FSPM) generator (LRFSPMG) is a potential
candidate for a wind-wave combined energy conversion
(WWCEC) system. The linear unit of the LRFSPMG is a
tubular FSPM linear generator (TFSPMLG), which like
other permanent magnet linear generators, has an inher-
ent detent force problem. To alleviate this problem, a
sectional modular technology scheme is investigated to
reduce the detent force of the TFSPMLG. Firstly, the
structure is briefly introduced and the detent force ana-
lyzed. Secondly, the sectional modular TFSPMLGs are
presented and their feasibility verified with respect to the
stator of the TFSPMLG being split into two and three
sections, forming Modulars I and II, respectively. After
that, the detent force suppression principle, and the ef-
fects that the sectional modular structures exert on the
detent force are analyzed. According to the analysis re-
sults, two methods are presented to suppress the detent
force: one is to suppress the magnetic coupling effect;
the other is to reduce the remaining harmonics. Finally,
the three TFSPMLGs, including the initial TFSPMLG,
Modular I, and Modular II, are comparatively analyzed
by finite-element analysis (FEA). The results show that
both the detent forces are greatly reduced without sacri-
ficing the back electromotive force (EMF) and average
electromagnetic force, thereby proving the effectiveness
of the TFSPMLG with a sectional modular structure.

Index Terms – detent force, flux-switching, sectional
modular technology, tubular permanent-magnet linear
generator.

I. INTRODUCTION

Wind energy and wave energy are significant
sources of renewable energy and have attracted consid-
erable attention owing to the advantages of high en-
ergy density, environmental protection, and wide distri-
bution with large reserves [1, 2]. More recently, wind-
wave combined energy conversion (WWCEC) systems
employing a linear-rotary generator have emerged and
developed rapidly since they can harvest both these en-
ergy sources to generate electrical energy simultaneously
through a single generator, thus improving the efficiency
and economy of such systems [3].

As one of the core components of WWCEC sys-
tems, linear-rotary generators are expected to provide
high power and efficiency with high operational reli-
ability in harsh offshore environments [4]. Since flux-
switching permanent magnet (FSPM) generators inherit
the merits of conventional permanent magnet (PM) gen-
erators (high power) and switched reluctance generators
(robust structure) [5], the FSPM generator is considered
to be a promising candidate for WWCEC systems. Ac-
cordingly, a linear-rotary FSPM generator, comprising
linear and rotary units, is proposed for WWCEC systems
[6, 7]. However, the linear unit, which is a tubular FSPM
linear generator, suffers from the detent force caused by
slot effect and end effect, thereby leading to the deterio-
ration of the electrical generation capability. Hence, re-
ducing the detent force is a key aim in order to improve
the performance of the TFSPMLG.

Existing methods indicate that the problem of detent
force can be largely resolved by reducing the cogging
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force, e.g., by skewing the pole or slot, asymmetrical
distribution of stator teeth [8, 9], optimizing the tooth
pitch, or optimizing the shape of PMs [10, 11]. How-
ever, these methods are unsuited to a TFSPMLG since
the end force has a greater impact on the FSPM machine
[12]. Another approach involves suppressing the end ef-
fect by methods such as adding assistant teeth or auxil-
iary poles, adjusting the width and length of end teeth,
and optimizing the slot structure [13, 14]. These mea-
sures can improve the flux distribution around the ends to
suppress the end effect, thus effectively reducing the de-
tent force. Meanwhile, compensation windings are also
widely employed to reduce the detent force by injecting
proper current into compensation coils and combining
control strategy [15, 16]. However, this measure gener-
ally needs to be combined with other measures to achieve
better results.

Recently, a modular technology scheme was put for-
ward and implemented in various machines to reduce
the detent force [17–21]. In [17], each slot of the ma-
chine was dispersed, and the detent force was greatly re-
duced by the mutual influence between the single pri-
mary units. In [18, 19], the primary iron was divided into
two sections to form a modular structure. In that situa-
tion, the fundamental and odd-order harmonics compo-
nents in the detent force can be eliminated. At the same
time, the primary component with a three-section struc-
ture was also adopted, in which only the third and its
multiple harmonics remained in detent force, and other
harmonics components were offset [20, 21]. Moreover,
this method does not add to the manufacturing com-
plexity. The above modular technology scheme therefore
suggests a new approach to reducing detent force, and
in terms of the existing research findings, can achieve
better results in PM linear machines. As a type of linear
machine, whether the modular technology scheme works
for a TFSPMLG needs further investigation.

Accordingly, this paper presents a sectional modu-
lar TFSPMLG approach to reducing detent force. The
paper is organized as follows. In Section II, the struc-
ture of the TFSPMLG is briefly introduced and the de-
tent force is analyzed. Then, the sectional modular TF-
SPMLG is presented in terms of its feasibility, the prin-
ciple of detent force suppression, and analysis of the ef-
fects that the sectional modular structures exert on the
detent force. In Section III, detent force minimization
methods are conducted based on the analysis results.
The three TFSPMLGs, including the initial TFSPMLG,
Modular I, and Modular II, are analyzed comparatively
by two-dimensional finite-element analysis (2D-FEA) in
Section IV. Finally, the conclusions are summarized in
Section V.

II. INITIAL AND SECTIONAL MODULAR
STRUCTURE OF TFSPMLG AND THE

DETENT FORCE
A. Initial structure and detent force of the TFSPMLG

Figure 1 (a) show the structure of the LRFSPMG,
which is composed of a linear unit and a rotary unit. Ig-
noring the influence between the linear unit and rotary
unit, the detent force of the LRFSPMG can be regarded
as that of the linear unit. In the interest of simplicity anal-
ysis, the following research focuses on the linear unit in
order to investigate the detent force of the LRFSPMG.
It can be observed from Fig. 1 (b) that, for the linear
unit, it is a 12s/14p TFSPMLG. Both PMs and arma-
ture windings are placed in the stator, and the mover
only consists of the iron core. PMs with opposite magne-
tization are sandwiched between dumbbell-shaped lam-
inated segments, which are wound by toroidal-shaped
coils. Since the magnetic circuit is imbalanced due to
the end effect existing, the end teeth are adopted at the
end sides of the stator. The major parameters of the TF-
SPMLG are listed in Table 1.

 
(a) 

(b) 

Fig. 1. Structure of generator: (a) LRFSPMG; (b) two-
dimensional structure of linear unit in RZ coordinate
system.

The default mover velocity is 1 m/s and the de-
fault load is 10 Ω in this simulation. The detent force
and electromagnetic force of the TFSPMLG are sim-
ulated by 2D-FEA, as shown in Fig. 2. The variation
trend of the electromagnetic force is consistent with the
detent force. Meanwhile, in a fluctuating period of one
mover pole pitch τm, the fluctuation amplitude of the
electromagnetic force is close to that of the detent force,
which indicates that the fluctuation of the electromag-
netic force is mainly affected by the detent force. Thus,
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Table 1: Parameter of the TFSPMLG
Item Symbol Value

Outer diameter of mover Dmo 118 mm
Outer diameter of stator Dso 73 mm
Diameter of stator yoke Dy 25 mm

Stator pole pitch τs 24 mm
Mover pole pitch τm τs*12/14
Number of slots Ns 12
Number of poles Np 14

Width of stator teeth wst 6 mm
Width of slot wss 6 mm
Width of PM wpm 4 mm

Width of mover teeth wmt 6 mm
Width of end teeth we 6 mm
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Fig. 2. Detent force and electromagnetic force of the TF-
SPMLG.

the electromagnetic force ripple can be effectively sup-
pressed by reducing the detent force.

B. Sectional modular structure of the TFSPMLG

For the purpose of suppressing the detent force, this
paper proposes the adoption of a sectional modular tech-
nology structure. If the coils in each section are the same,
the stator can be divided into two, three, four, six, and
twelve sections. However, too many sections may lead to
the waste of the stator volume, which results in reduced
force density [20]. Hence, this study only considers the
case where two or three sections are selected.

Based on the above description, the TFSPMLG sta-
tor can adopt either a two-section structure, three-section
structure, or both, in which the stator is split into two
sections and three sections, named Modular I and Mod-
ular II respectively, as shown in Fig. 3. The flux bar-
rier, which can be made of air or nonmagnetic material,
is set between two sectional stators. Each sectional sta-
tor in Modular I/II is the same and combines with the
mover forming a unit generator. According to the design
principle of mutual offset detent force between generator
units [22], the TFSPMLG with the two-section and three-
section structures needs to satisfy equations (1) and (2),

respectively:

L I−s +L I−fb =
2k±1

2
τm, (1)

L Π−s +L Π−fb =
3k±1

3
τm, (2)

where LI−s and LII−s are the length of the sectional sta-
tor, LI− f b and LII− f b are the length of the flux barrier for
the Modular I and II, respectively, τm is the mover pole
pitch, and k is a positive integer.

However, irrespective of which structure scheme is
selected, the sectional modular TFSPMLG, while meet-
ing the offset of detent force, should also meet the design
principle requirements of the complementary structure.
To verify the feasibility of the sectional modular technol-
ogy scheme, the design principle of the sectional mod-
ular TFSPML is analyzed with two-section and three-
section structures.

For the non-modular FSPM linear machine, the
complementary structure of the windings requires satis-
fying two conditions [23]. Firstly, the relative distance
λ 1 between the two adjacent coils of one phase should
satisfy:

λ1 =
(
k±1

/
2
)

τm. (3)
Secondly, the displacement λ 2 between the two coils of
the adjacent two phases should satisfy:

λ2 =
(
k±1

/
3
)

τm or λ2 =
(
k±1

/
6
)

τm. (4)
Therefore, under the condition that the complemen-

tary winding characteristics are met, the spacer coils dis-
tance λ of one phase should satisfy the following rela-
tionships:

λ = kτm. (5)
Meanwhile, if the spacer coils are wound reversely

or the magnetization directions of PMs on both sides
of them are different, the electrical angle difference be-
tween spacer coils of one phase is 180◦, i.e., the distance
difference being τm/2. Consequently, the preceding anal-
ysis indicates that the relative distance λ between spacer
coils of one phase can be expressed as:

λ = jτm ± m
2

τm, (6)

where j and m are positive integers.
For the sectional modular TFSPMLG shown in

Fig. 3, the lengths of the sectional stator and flux barrier
have the following relationship with λ :

Li−s +Li− f b +nτs = λ , (7)
where Li−s and Li− f b are the length of the sectional stator
and flux barrier, respectively, i is I or II, which indicates
Modular I or II, τs is the stator pole pitch, and n is a
positive integer.

Substituting equation (6) into equation (7) and com-
bining with pole pitch ratio τs/τm of 14/12, the sum of
the sectional stator length and flux barrier length can be
expressed as:

Li−s +Li− f b = jτm ± m
2

τm ± n
6

τm. (8)
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(a)

(b)

Fig. 3. Sectional modular structure of the TFSPMLG: (a) Modular I; (b) Modular II.

Comparing equations (1), (2), and (8), it can be
found that (1) and (2) are special forms of (8); i.e., n is 0
and m is 0 (n = 2, 8, 14, . . . ), separately. In other words,
while satisfying equations (1) and (2), the complemen-
tary structure of the sectional modular TFSPMLG is also
satisfied, which verifies the feasibility of the TFSPMLG
with two-section and three-section structures. Hence, for
sectional modular TFSPMLG, the two-section structure
and three-section structure can both be applied. Accord-
ingly, both sectional modular structures are investigated
in this paper.

C. Theoretical analysis of detent force of the sectional
modular TFSPMLG

For the sectional modular TFSPMLG, the unit de-
tent force of each unit generator can be expressed by
Fourier series expansion as follows:

fdetent i (x) =
∞

∑
n=1

Fdn−i sin
(

2nπ
τm

x+θdn−i

)
, (9)

where Fdn−i and θ dn−i are the amplitude and phase of
the nth component respectively, i is I or II, and x is the
mover position.

Ignoring the magnetic coupling effect between sec-
tional stators, each unit generator is independent. In that
case, the amplitudes of the unit detent force are the same,
but their phases are different. Considering the relative
distance between the unit generators, the whole detent
forces of the sectional modular TFSPMLGs can be ex-
pressed as:

fw I = fdetent I (x)+ fdetent I (x+L I−s +L I−fb) , (10)

fw II = fdetent II (x)+ fdetent II (x+L Π−s +L Π−fb)
+ fdetent II (x+2L Π−s +2L Π−fb)

,

(11)
where fw I and fw II are the whole detent force of Modular
I and II, respectively.

According to the design principle of mutual offset
detent force in Section II-B, the whole detent force can
be calculated as:

fw I =
∞

∑
n=2,4,6,...

2Fdn−I sin
(

2nπ
τm

x+θdn−I

)
, (12)

fw II =
∞

∑
n=3,6,9,...

3Fdn−II sin
(

2nπ
τm

x+θdn−II

)
. (13)

According to equations (12) and (13), after setting
the sectional modular structure, the fundamental and
some higher harmonics in unit detent force can be off-
set. For Modular I, the whole detent force consists of the
remaining second and its multiple harmonics, while the
whole detent force is composed of the remaining third
and its multiple harmonics for Modular II.

D. Detent force of the sectional modular TFSPMLG

In the initial design, the sectional stator lengths LI−s
and LII−s satisfy:

L I−s = 63τm
/

8 L Π−s = 133τm
/

24. (14)
By substituting equation (14) into equations (1) and

(2), the flux barrier lengths LI− f b and LII− f b can be equal
to 5τm/8 or 13τm/8 and τm/8, 19τm/24, or 9τm/8, respec-
tively.

Figure 4 show the whole detent forces of Modular I
and II under the different lengths of the flux barrier. For
Modular I and II, both the whole detent forces are de-
creased as the flux barrier lengths are increased, which
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Fig. 4. Whole detent force: (a) Modular I; (b) Modular II.

indicates that the magnetic coupling effect exists be-
tween unit generators and exerts a negative effect on the
whole detent force. Hence, the flux barrier length should
reach a certain length to reduce the influence of the mag-
netic coupling effect. When the flux barrier length of
Modular I is 13τm/8 and that of Modular II is 9τm/8,
the whole detent force is 27.39 N and 15.01 N, which
is 35.86% and 67.71% higher than the theoretical value
of 20.16N and 8.95 N, respectively. This means that the
magnetic coupling effect needs to be further suppressed
by other methods under a certain flux barrier length.

Moreover, the Fourier analysis results of unit detent
force, as shown in Fig. 5, indicate that the second and its
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Fig. 5. Harmonics distribution of unit detent force: (a)
Modular I; (b) Modular II.

multiple components for Modular I are relatively large,
and the third and its multiple components of Modular II
are relatively little. So, according to the relationship be-
tween the whole detent force and the unit detent force in
Section II-C, the theoretical whole detent force of the
Modular I is relatively large, and that of the Modular
II is relatively little, which are 20.16 N and 8.95 N, re-
spectively. Hence, the actual whole detent force of Mod-
ular I is greater than that of Modular II, although the
magnetic barrier length of Modular I is larger than that
of Modular II, for example, when the magnetic barrier
length is 13τm/8 and 9τm/8, respectively. Consequently,
the whole detent force can be diminished by the reduc-
tion of the remaining harmonics in the unit detent force.

From the aforementioned analysis, it can be found
that the whole detent force results from the magnetic
coupling effect and remaining harmonics in the unit de-
tent force. If both these contributing elements decrease,
the whole detent force will decrease, and this can guide
the optimization needed to reduce the detent force.

III. DETENT FORCE MINIMIZATION

In this section, the whole detent force is further re-
duced. Based on the analysis above, the whole detent
forces of Modular I and Modular II are large, which are
due not only to the magnetic coupling effect between unit
generators but also to the remaining harmonic compo-
nents in the unit detent force. Therefore, the whole detent
force can be further reduced by suppressing the magnetic
coupling effect, as well as reducing the remaining har-
monics components.

A. Suppression of the magnetic coupling effect

The magnetic coupling effect exists between unit
generators. Set Modular I with a flux barrier length of
13τm/8 as an example with which to analyze the mag-
netic coupling effect. The magnetic flux line distribution
of the flux barrier is shown in Fig. 6 (a). The magnetic
flux lines indicated by blue ellipses pass through the flux
barrier or mover and connect the two adjacent unit gen-
erators, resulting in magnetic coupling. This is because
the PMs on both sides of the flux barrier are magnetized
in the same direction, and thus the equivalent magneto-
motive force between two ends increases, which leads to
the enhancement of the connection between adjacent unit
generators. Hence, these magnetic flux lines can be sup-
pressed by changing the magnetization direction of one
of the PMs. Figure 6 (b) shows the magnetic flux line
after changing the magnetization direction, i.e., reversed
magnetization. The magnetic flux lines in the flux barrier
are greatly suppressed, which indicates that the magnetic
coupling effect is weakened.

Table 2 lists the comparison of the whole detent
force of Modular I under two different magnetization
directions. Compared with the whole detent force with
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Fig. 6. Magnetic flux line distribution: (a) same magne-
tization; (b) reversed magnetization.

Table 2: Comparison of the whole detent force
Flux

Barrier

Length

Same

Magnetization

Reversed

Magnetiza-

tion

Theoretical

5/8τs 56.05 N 31.35 N 20.16N13/8τs 27.39 N 23.60 N

the same magnetization, when the flux barrier length is
5τm/8 and 13τm/8, the whole detent force with the re-
versed magnetization declines by 44.07 and 13.84% re-
spectively, but it is still greater than the theoretical value.
It proves that the above method can suppress the mag-
netic coupling effect to a certain extent.

B. Reduction of remaining harmonics

Without considering the magnetic coupling effect,
the whole detent force is the superposition of the remain-
ing harmonics in the unit detent force. Thus, the whole
detent force can be reduced through the diminishment
of the remaining harmonics, which are the second and
its multiple harmonics and the third and its multiple har-
monics for Modular I and Modular II, respectively. Ac-

cording to the aforementioned literature, the end teeth
width we and mover teeth coefficient kst (kst = wmt /wst :
the ratio of the mover teeth width wmt to the stator teeth
width wst ) have a great influence on the detent force
[23, 24]. Therefore, the above two parameters should be
adjusted to reduce the remaining harmonics in the unit
detent force.

Figure 7 show the whole detent force of Modular I
calculated by equation (12), and that of Modular II cal-
culated by equation (13). For Modular I, when the end
teeth width and mover teeth coefficient are 9 mm and
1.3 respectively – indicated by a magenta dot in Fig. 7
(a) – the minimum amplitude of the whole detent force
is 2.46N. The corresponding flux barrier length can then
be determined, although theoretically there are countless
values for the flux barrier length because of k in equation
(1) with countless values. According to equation (1), the
flux barrier length can be τm/3, 4τm/3, or 7τm/3 (k = 8,
9, and 10), etc. Considering a certain flux barrier length
to suppress the magnetic coupling effect and the stator
volume limitation, the flux barrier length is selected as
4τm/3 (k=9). For Modular II, under the same mover teeth
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Fig. 7. Whole detent force: (a) Modular I; (b) Modular II.
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coefficient, the whole detent force initially decreases and
then rises with the increase of the end teeth width. Within
the end teeth width range from 4 mm to 6 mm, the whole
detent force is relatively small, in which the minimum
value is 2.65N when the end teeth width and mover teeth
coefficient are 5 mm and 1.4 respectively, as shown by
the magenta dot in Fig. 7 (b). Then, according to the
determined end teeth width and combined with equa-
tion (2), the flux barrier length of Modular II is equal
to 2τm/9, 8τm/9, 11τm/9, or 17τm/9 (k = 6 and 7), and so
on. Finally, under comprehensive consideration, the flux
barrier length is determined to be 11τm/9, with k = 7 and
minus sign in equation (2).

IV. COMPARATIVE ANALYSIS

In this section, the three TFSPMLGs, including the
initial TFSPMLG, Modular I, and Modular II, are an-
alyzed comparatively by 2D-FEA. Apart from the end
teeth width and mover teeth coefficient, all other param-
eters are identical.

A. Winding arrangement of the sectional modular
TFSPMLG

The winding arrangements need to be determined
first. The electrical degrees α between two adjacent coil-
EMF vectors can be calculated by [25]:

α =
360◦

Ns
Np, (15)

where Ns and Np denote the number of stator slots and
mover poles, respectively. In this paper, the α of the
12s/14p PMLSM is 60◦, thus the phase sequences of the
initial TFSPMLGs are A-C-B-A-C-B-A-C-B-A-C-B, as
shown in Fig. 1 (b).

The coil connection in the sectional modular TF-
SPMLG is different from the traditional one, due to
the existence of the flux barrier. In Fig. 3, there are
six and four coils in each section, and the phase se-
quences of the coils in Section 1 are A-C-B-A-C-B
and A-C-B-A, respectively, which is the same as that
of the corresponding part in the initial TFSPMLG.
However, the coil connections of Sections 2 and 3
need to be adjusted to obtain symmetrical three-phase
complementary windings.

For Modular I, the sum of the sectional stator and
flux barrier length satisfies equation (7), which means
that the relative positional difference between the first
coil of Sections 1 and 2 is τm/2, corresponding to an elec-
trical angle of 180◦. In addition, to weaken the magnetic
coupling effect in Section III-A, the magnetization di-
rection of the PMs is changed, which again results in the
shift of the coil-EMF vector, with an electrical angle of
180◦. Hence, the coil-EMF vector of the two sections is
the same, and the phase sequence in Section 2 of Mod-
ular I is also A-C-B-A-C-B. The phase coil vector and
the winding arrangement can be determined, as shown in

Figs. 8 and 10 (a), where coil X and X’ in Fig. 8 represent
opposite polarity.

   
(a)                                       (b)   

Fig. 8. Phase coil vector of Modular I: (a) Section 1; (b)
Section 2.

For Modular II, the sum of the sectional stator and
flux barrier length satisfies equation (2) with k = 7 and
minus sign, which indicates that the first coil of Section
2 (the 5th one) lags behind that of Section 1 by the elec-
trical angle of 120◦. Likewise, the first coil of Section
3 (the 9th one) also lags 120◦ behind that of Section 2.
Therefore, in consideration of the magnetization direc-
tion of the PMs, the coil-EMF vector of Sections 2 and
3 can be determined as shown in Figs. 9 (b) and (c), re-
spectively. It can be found from Fig. 9 that coils No. 1,
4, 7’, and 10, coils No. 2, 5’, 8’, and 11, and coils No. 3,
6’, 9, and 12 all have the same electrical angles, and the
phase difference between them is a 120◦ electrical angle.
Meanwhile, coils No. 5, 6, 7, and 8 in Section 2 are with
opposite polarity, which are marked with apostrophes,
thus they are wound reversely. So, the coil connection
in Sections 2 and 3 are Z-Y-X-Z and B-A-C-B, respec-
tively, and Fig. 10 (b) shows its winding arrangement.
The idealized arrangement of both the three-phase com-
plementary windings confirm that the theoretical analy-
sis in Section II-B is correct.

     
(a)                     (b)                      (c) 

Fig. 9. Phase coil vector of Modular II: (a) Section 1; (b)
Section 2; (c) Section 3.

B. Performances comparison

Figure 11 shows the detent force curves of three
TFSPMLGs, of which the amplitudes are 63.09, 8.97,
and 5.41 N, separately. Compared with the initial struc-
ture, the latter two structures are reduced by 85.78% and
91.42%, respectively. It is clear that for TFSPMLG, the
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Fig. 10. Winding arrangements: (a) Modular I; (b) Mod-
ular II.
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Fig. 11. Detent force curves of three TFSPMLGs.

detent force can be significantly suppressed by adopt-
ing the sectional modular structure scheme. In addition,
though both the actual detent forces of the Modulars I
and II are larger than the theoretical detent forces with
the amplitude 2.46 and 2.65 N due to the magnetic cou-
pling effect, they are at an acceptable level. It proves
the effectiveness of the sectional modular technology
scheme for the TFSPMLG.

The back-EMF curves of three TFSPMLGs are
shown in Fig. 12. It is worth noting that, for Modulars I
and II, the back EMFs are the sum of that of each section.
From the picture, the three back-EMF curves almost co-
incide, with very little difference between the three. The
Fourier analysis results show that the fundamental com-
ponents are 42.94, 43.17, and 44.29 V, with the total har-
monic distortion (THD) 2.42%, 4.08%, and 1.47%, re-
spectively. It can be found that, compared with the initial
TFSPMLG, the THD of Modular I is increased greatly,
whereas that of Modular II is decreased.

For Modular I, the main reasons can be described
as follows: on the one hand, the winding arrangement of
Section 2 is the same as that of Section 1 – see Fig. 10
(a) – with the result that the middle phase (phase C) is
always in the middle of the sectional stator, and the side
end phase (phases A and B) are always at the ends; on the
other hand, the two-section structure is adopted to dou-
ble the number of ends from 2 to 4; finally, the magnetic
circuit of the three-phase windings is more unbalanced

0 90 180 270 360
-60

-30

0

30

60

1 2 3 4 5 60
10
20
30
40
50

A
m

pl
itu

de
 (V

)

Harmonic order

 THD: 2.42%
 THD: 4.08%
 THD: 1.47%

Ba
ck

-E
M

F 
(V

)

Electrical angle (deg)

 Initial
 Modular I
 Modular II

70 80 90 100 110
36

42

48

Fig. 12. Back EMF of three TFSPMLGs.

in such way that the corresponding THD increases. Dif-
ferent from that of Modular I, the arrangement of three-
phase windings for Modular II, shown in Fig. 10 (b), is
spatially symmetrical in that the numbers of each phase
coil located on the side ends are the same, leading to the
decrease of THD. Therefore, Modular II has better back-
EMF characteristics.

The electromagnetic forces of three TFSPMLGs are
compared in the resistive load with 10 Ω, as shown in
Fig. 13. The average electromagnetic forces are 219.56,
220.85, and 230.01 N, and the electromagnetic force
ripples, which is the ratio of the peak-to-peak value to
the average value of electromagnetic force, are 59.78%,
30.21%, and 5.81%, respectively. Compared with the ini-
tial TFSPMLG, the electromagnetic force ripples of the
sectional modular TFSPMLGs are suppressed due to the
drop of detent force without sacrificing the average elec-
tromagnetic force.
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Fig. 13. Electromagnetic force curves of three TF-
SPMLGs.

However, according to the above analysis results for
Modular I, the reduction degree of the electromagnetic
force ripple is much lower than that of the detent force.
This is because the force ripple is not only related to the
detent force but is also associated with the harmonics in
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Table 3: Comparison summary
Item Initial Modular

I
Modular

II
Amplitude of detent force

(N) 63.09 8.97 5.41

Back-EMF (V) 42.94 43.17 44.29
THD (%) 2.42 4.08 1.47

Average electromagnetic
force (N) 219.56 220.85 230.01

Electromagnetic force
ripple (%) 59.78 30.21 5.81

Core losses (W) 5.95 6.85 7.23
Copper losses (W) 8.86 8.91 9.28

Efficiency (%) 93.43 93.07 93.04

the back EMF [18]. For Modular II, both the detent force
and back-EMF THD are declined, thus the electromag-
netic force ripple is small.

The efficiency η of three TFSPMLGs is calculated
only considering the copper and core losses as:

η =
Pe −Pc

Pe +Pf
×100%, (16)

where η , Pe, Pc, and P f are efficiency, electromagnetic
power, copper loss, and core loss, respectively. The elec-
tromagnetic power is the product of the electromag-
netic force and the mover velocity, and copper loss and
core loss are computed by 2D-FEA, thus efficiency can
be obtained.

Table 3 lists the comparison results of three TF-
SPMLGs. Based on the analysis of the detent force,
back-EMF, and electromagnetic force, Modular II not
only reduces the detent force most effectively, but also
possesses the optimal back-EMF and electromagnetic
force characteristics, with nearly the same efficiency. In
addition, each sectional stator structure in Modular II is
the same, thus the manufacture is simple. Hence, the pro-
posed Modular II is a better choice for the TFSPMLG.

V. CONCLUSION

In this paper, sectional modular TFSPMLGs are pro-
posed and investigated to reduce the detent force by
adopting two-section and three-section structures, re-
spectively. The sectional modular technology applies the
particular harmonics in the unit detent force of each
section to mutually offset, thereby reducing the whole
detent force. First, the topology of TFSPMLG is de-
scribed, and its detent force is analyzed. Then, the feasi-
bility, detent force suppression principle, and the effects
that the sectional modular structures exert on the de-
tent force are investigated for the two sectional modular
TFSPMLGs.

In addition, to suppress the magnetic coupling ef-
fect and reduce the remaining harmonics, two minimiza-

tion methods are presented. Finally, electromagnetic per-
formance comparisons between the initial TFSPMLG,
Modular I, and Modular II are conducted based on 2D-
FEA with respect to detent force, EMF, and electromag-
netic force. The results show that the sectional modular
technology structure is proved to effectively reduce the
detent force without sacrificing the back-EMF and av-
erage electromagnetic force, especially with respect to
Modular II.
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