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Abstract — The radiation pattern of the antenna arrays is
most important problem in communications technology.
In this paper, the optimization of uniform -circular
antenna array is efficiently solved by ant colony
optimization (ACO) Method. The proposed method of
optimization is used to determine the suitable cost
function which leads to achieve the maximum reduction
in side lobe level and provide the maximum directivity
towards the direction. To optimize the desired antenna
array pattern also one parameter is considered to be
optimized which is the angular position of each element.

Index Terms — Ant colony optimization, array factor,
directivity, side lobe level, uniform circular antenna
array.

I. INTRODUCTION

Circular antenna array has been widely used in
communications technology in radar, sonar and as it is
useful in high power transmission, reduced power
consumption and enhanced spectral efficiency [1],
[22].The design of this structure is a growing avenue of
research in electromagnetics [7], [10], [11], [12] and is
very useful in different applications like radio direction
finding, space navigation and third generation wireless
communication systems [7]-[9].The techniques of the
arrays pattern optimization has received considerable
attention in the past and is still of great interest [2] and
are very important in communications systems. The
technique of pattern optimization including the control
of the complex weights (the amplitude and phase), the
excitation amplitude only and phase-only, and the
element position only have been extensively considered
in the literature [1], [2], [7]-[30]. The position-only is of
particular interest in pattern optimization [22]. In some
ofthe articles [7], [19], [22] the author presents a method
of control by phase and angular position for forming
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signals in prescribed directions with low SLL high
directivity and also high signal to interference ratio (SIR)
[22]. The technique proposed in this paper is based on
ant colony optimization [23], [32]-[34] and ACO will be
applied to find the angular positions of the antenna array
elements that are optimum to provide the radiation
pattern of uniform circular array (UCA). Hence, in this
paper the synthesis problem is finding the angular
positions of each element by ACO to provide the
radiation pattern with maximum reduction in the side
lobe level and high directivity at a fixed main beam
width. In the final section the performance of ACO is
compared GA (genetic algorithm) and IWO (invasive
weeds optimization). The parameters used in GA and
IWO are selected to be the same as those used in ACO,
which ensure a fair comparison in computation
efficiency and solution quality.

II. CIRCULAR ANTENNA ARRAY
FUNCTION

Consider a circular antenna array of N antenna
elements non-uniformly spaced on a circle of radius a in
the x-y plane, Fig. 1 .The elements in the circular antenna
array are taken to be isotropic sources, so the radiation
pattern of this array can be described by its array factor.
In the x-y plane, the array factor for the circular array
shown in Fig. 1 is given by [4]:

AF(,0) = i [, eMesnocoton)al, (1)
n=l
= 272'(}’1) . (2)
N

In the above equations, / is the excitation amplitude
value and is the same for each antenna components. a,
represents the excitation phase of the n-th element and ¢,
is the angular position of the n-th element in x-y plane.
To direct the peak of the main beam in the ¢, direction,
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the excitation phase of the n-th element is chosen to be:
a, =—pasinb,cos (p, -, )- 3)

The array factor can be obtained by considering the

elements to be point sources which is given by:

N
AF , 0) = jBa [sinﬁ cos (p—gp, ) —sin6, cos(py—9, )]
(9.0)=2, e
i “4)
— Z ej/)’ a(cosy—cosy ) )
n=1

z A ¥ 00
radiation element -

~

\
AN N

Fig. 1. Geometry of circular antenna array

A general function of optimization that we study
consists of the number of objectives. This function value
is important to optimize the side lobes level and
directivity and also will be obtained by ACO. In this
cause the performance of a uniform circular array will be
improved substantially, with respect to the circular array
with the conventional progressive angular positions of
the elements (in terms of the side lobe level and
directivity). We should present the basis function to
improve the array factor amount which leads to SLL
reduction and high directivity [6]. Mathematical problem
can be written as follows:

Minimize  f(p)=> Objective function
Subject to p < y,

X is known as the feasible set, it leads to (X Optimum) :
f((p()primum) S f(q))
min SLL

st. f ((Daptimum )’
0<¢@,<27 n=12,.N

)

where:

fg(cﬁ)=2n§i‘, cos (fia (cosy —cosyy)-

The final equation of the notation (5) is the basis
function for optimization problem which will be
discussed in this paper. In our design, to demonstrate the
advantages of the proposed design, the results obtained

ACES JOURNAL, Vol. 30, No. 8, August 2015

using angular positions excitations will be displayed in
different states of ¢y, therefore in desired design problem
we choose ¢y to be 90° and 0° for receiving better
experimental results. The peak of the main beam is in the
x direction [4], [5].

1. ANT COLONY OPTIMIZATION

In this part, it will be presented how the ACO can be
used for solving the problems. ACO has a very strong
ability to solve any hard combinatorial optimization
problems and can be a powerful method for the synthesis
of antenna array radiation pattern in adaptive
beamforming [32]. Desired method inspired by the ant’s
foraging behavior proposed by Dorigo in his Ph.D. thesis
in 1992 and it has been used to solve a different type of
problems by employing different realizations of the
algorithm [34]. ACO means algorithms based on the ant
behavior in searching for food and posterior
transportation to the colony have to be stored. These
insects have the ability to find the “shortest path” in this
task using pheromone. Some ant species use pheromone
for making paths on the ground, in their way from the
food to the nest. This helps other ants, by sensing
pheromone, to follow the path towards food discovered
by other ant. Because ants deposit pheromone while
walking, a larger number of ants on a path results in a
larger amount of pheromone, this larger amount of
pheromone stimulates more ants to choose that path and
so on until finally, the ants converge to one single (short)
path. Also, these pheromone evaporate with time to
“delete” the path to an exhausted food source [34].

A. Implementation of the algorithm

The idea behind ACO is to mimic this behavior by
using artificial ants. The outline of a basic ACO
algorithm is shown in Fig. 2. The ACO version
implemented is capable to deal with both continuous and
discrete variables. The question that arises is how ACO
(first used to solve combinatorial problems) can deal
with continuous variables. A possible answer to this
question would be the conversion of the continuous
optimization problem into a discrete one as proposed in
the past in some of the papers. Instead, the present
continuous version extends ACO in order to work
directly with continuous variables. In this way, the first
point that has to be taken into account is how the colony
is represented. Following the idea of directly using
continuous variables, a colony of 2 ants can be expressed
as a m x n matrix C = [ant;, ants, . . . , ant,)", where
ant =[x, X, . . ., x»]" is a vector of design variables that
corresponds to a single ant [33]-[34].



[ Define ACO parameters ]

v

Create initial colony, randomly distributed
throughout the design space

>y

Evaluated objective function and take it as
a path length measure each ant

v

Perform a complete tour

v

Update the pheromone trail

Stop criterion

Fig. 2. Basic scheme for ACO.

The second point is how to model the pheromone
communication scheme. The continuous version of ACO
models the pheromone trail as an amount of pheromone
laid on the path. As suggested by Pourtakdoust and
Nobahari and Socha, for the continuous model
implementation this can be achieved by using a normal
probability distribution function (PDF). In this
formulation, for the dimension 7 of the design space, the
pheromone trail, 1;, can be described as follows:

)

7 (x)=e >, (6)
where x;" is the i-th coordinate of the best point found by
the optimization task within the design space until the
current iteration and o; is an index related to the ants
aggregation around the current minimum for the i-th
coordinate of the design space. To close the definition of
pheromone, t, the aggregation index, o, must be defined.
Thus, by taking y as the i-th column of the colony matrix
C, the aggregation index for the i-th dimension, o, is
given by:

1 & —
0; = m;(yi—y), (7)

where y is the mean value of the vector y. It is worth
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making some remarks about the updating process of the
values of each design variable for all ants of the colony.
This is the process in which, for a given iteration, each
ant sets the values for the trial solution based on the
probability distribution given by Eq. 6. Computationally,
this can be achieved through a random number generator
based on a normal PDF that plays the role of a variable
transition (update) rule to choose the next design variable
value associated with each ant. From Eq. 6, it can also be
noticed that each variable uses a different random
number generator together with its respective PDF.
About the pheromone scheme, it is possible to see that
the concentration of pheromone increases in the area of
the candidate to the optimum. This approach (also called
as positive update) reinforces the probability of the
choices that lead to good solutions [23], [33], [34]. The
number generating and updating processes will be done
continuously until the solution meets the error criteria. In
other words if best solution does not change after some
iteration, the process will be terminated and the best
solution is the best value which optimizes the defined
cost function. Fast convergence to the best global
solution is the most important and desirable feature of
the ant colony optimization method. The number of ants
and/or iterations in the algorithm can be selected based
on the computational capacity. Actually, in the following
examples we have used a relatively low number of ants
but a number of iterations large enough to guarantee the
convergence of the algorithm to the desired solution. The
food is defined as the desired condition, i.e., the angular
position of the array elements. Finally, the adopted
stopping criterion is to complete the selected number of
iterations [33].

IV.NUMERICAL RESULTS

In this section, some computer simulations are
conducted to verify the validation of the proposed
method. We consider circular antenna array with /0 and
12-element arrays with element spacing d = 4/2, where 1
denotes the wavelength corresponding to the operating
frequency of the narrow band sources [3]. As mentioned
to illustrate the performance of the ant colony
optimization method, some examples were simulated;
Figs. 3 and 4 show the normalized unmodified patterns
of the uniform circular antenna array with high level of
side lobes comparing to main beam. We can point to the
some places like: (0=22.2° and 0=46.3° at ¢y=90°
N=10), (0=90° at py=0° N=10), (0=23° and 0=45° at
00=90° and py=0° N=12). Table 1 consists of the desired
unmodified states numerical results.
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Fig. 3. Unmodified patterns at ¢y =90° and ¢y =0° N=10.
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Table 2: The ACO optimized values (¢,) at g9 =90° for

Fig. 5
Iter. 3000 | Iter. 2760 |Iter. 2340 |Iter. 1800 | Iter. 870
79° 90° 90° 90° 90° Q1
9° 10° 10° 10° 10° Q2
36° 36° 30° 36° 36° Q3
12° 9° 7° 12° 7° Q4
30° 30° 36° 30° 30° Qs
259° 270° 270° 270° 270° Q6
189° 190° 190° 190° 190° Q7
216° 216° 210° 216° 216° Q38
192° 189° 187° 192° 187° Q9
210° 210° 216° 210° 210° |10

Table 3: The ACO optimized values (¢,) at ¢y =0° for

- 0 _-Theta=23degree Fig. 6
o T Iter. 3000 | Iter. 2678 | Iter. 2115 | Iter. 1653 | Iter. 675
=10 78.3° 78.3° 78.3° 78.3° 783° @1
E 20 2.25° 18° 15° 12° 9° 02
Iy 60° 60° 60° 60° 60° ¢3
2230 98° 98° 99° 99° 99° ¢4
E 50° 50° 50° 45° 36° Qs
n 40~ 258.3° 258.3° 258.3° 258.3° 258.3° | o6
uE; 182.25° 198° 195° 192° 189° ¢7
£ 90 == Unmodified Pattern Phi(0)=0degree 240° 240° 240° 240° 240° (O
< ™ ===Unmodified Pattern Phi(0}=30degree 278° 278° 279° 279° 279° Qo
<150 100 .50 Thgta 50 100 150 230° 230° 230° 225° 216°  |¢10
. . Table 4: The ACO optimized values (¢,) at p,=90° for
Fig. 4. Unmodified patterns at ¢y =90° and ¢y =0° N=12. Fig. 7
. . . Iter. 3000 | Iter. 2835 | Iter. 2215 | Iter. 1945 | Iter. 908
Table 1: Unmodified patterns information 49° 48° 510 56° 60° o1
SLL | Directivity | FNBW | AF | ¢0 | SIR | N 90 90 e 90 90 0>
-7.9 dB 8.2dB 28° 84.4190°(7.3dB |10 26° 23° 2700 30° 21° 03
-3.6dB| 3.4dB 28° 112 | 0° |53dB | 10 6° 6° 7° 6° 6° 04
-7.9dB| 8.53dB 28° 72.2 1 90° |7.5dB |12 30° 30° 30° 30° 30° Qs
-8 dB 8.93 dB 28° 72.8 1 0° |7.9dB |12 90° 90° 90° 90° 90° Q6
229° 228° 231° 236° 240° Q7
We assigned the especial way using MATLAB for 189° 189° 189° 189° 189° | ¢s
synthesis the antenna array pattern with the desired 206° 203° 202° 210° 201° | 99
values of the proposed antenna parameters and reducing 186° 186° 187° 186° 186° 1910
array factor value by optimizing angular positions of the 210: 210: 210: 2 10: 2 10: o1
antenna elements after some iterations to optimize the 270 270 270 270 270 LAE
unmodified signals, the number of iterations needed to ) . P
reach an acceptable solution is 7/000-3000, these values ;ia;lg 3: The ACO optimized values (pn) at go =0° for
will be investigated and the results will be presented in -~ =G50 5625 Tier, 2321 [ Trer, 1825 | Ter, 893
two different modes, for /0 and /2-element circular 780 780 780 780 780 o
arrays at ¢9=90 and ¢y=0°. The cost function will be 20° 45° 36° 30° 30° 02
constructed for maximizing the SLL reduction with high 64° 64° 64° 60° 64° 03
directivity as well as minimizing the array factor value. 90° 90° 90° 90° 90° | o4
Finally, the optimized parameters which lead to SLL 60° 580 50° 50° 50° 0s
reduction and high directivity for each directional beam 3.6° 120 120 10° 10° 06
steering will be illustrated all. The excitation positions 258° 258° 258° 258° 258° 07
for each antenna element are constrained to lie between 220° 225° 216° 210° 210° | s
0 and 2z. The excitation angular positions of the antenna 244° 244° 244° 240° 244° | @9
elements are now obtained by ACO to improve the 270° 270° 270° 270° 270°  |@1o
desired parameters values. These obtained results will be 240° 238° 230° 230° 230° |ou
computed as given in Tables 2-5. 183.6° 192° 192° 190° 190° |92




There are twenty states of array antenna patterns at
©0=90° and pp=0° in Section 4 that can provide the best
conditions for uniform circular array pattern. The Figs.
5-8 present the results obtained with /0 and /2 ants, after
3000 iterations for uniform circular antenna array with
10 and 12 eclements (foods were defined as antenna
elements angular positions). The figures which we want
to present, show the ability of ACO algorithm to improve
the circular antenna array pattern in both angles (¢o=90
and @y=0°) with good radiation parameters values such
as the side lobe level, directivity, SIR, and main pattern
beam width, but some of them are right to introduce as
optimized signals. We have presented Tables 6-9 to
choose the best states.

o
o
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Fig. 8. 12-element array pattern synthesis by ACO ¢y =0°.

Table 6: Computed parameters for best results at ¢y =90°
N=10
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Fig. 5. 10-element array pattern synthesis by ACO ¢y =90°.
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o ] o meiter 3000
==uslter 2678
wi lter 2115
=i lter 1653

Iter 675

180
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i
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Fig. 6. 10-element array pattern synthesis by ACO ¢y =0°.

Antenna Array Pattern (dB)

0
Theta

Fig. 7. 12-element array pattern synthesis by ACO ¢y =90°.

SLL(dB)| -12.8 | -18.5 -19.8 -21 -24.9
Directivity| 89dB | 9.5dB | 9.8dB | 10.3dB |11 dB
FNBW 45° 44° 42° 42° 41°

AF 60 49 47 46 44
Figure 5 5 5 5 5

Iteration 870 1800 2340 2760 | 3000

Time (sec)| 1234 1700 2361 2678 | 2856

SIR 25.37dB|31.2dB|37.16 dB|37.18 dB| 38 dB

Table 7: Computed parameters for best results at ¢y =0°
N=10

SLL (dB)| -11.5 -17.9 | -1821 | -18.6 -21.4

Directivity| 8.43 dB | 9.33 dB |9.58 dB | 9.7dB |10.75 dB

FNBW | 35.2° 37.4° 39.8° 39.6° | 39.6°

AF 73.3 54.1 48.7 48.3 45.1

Figure 6 6 6 6 6

Iteration 675 1653 2115 2678 3000

Time (sec)| 1165 1543 2034 2539 2771

SIR  [22.21 dB|25.4dB | 25.6 dB |26.81 dB| 34 dB

Table 8: Computed parameters for best results at ¢y =90°
N=12

SLL (dB) | -11.3 -15.5 -16.8 -19 -21.1

Directivity| 8.22 dB | 8.94 dB | 9.18 dB |10.02 dB|10.32 dB

FNBW 40° 39° 40° 42° 40°

AF 74 52.3 59 53.5 47

Figure 7 7 7 7 7

Iteration 908 1945 2215 2835 3000

Time (sec)| 1334 1854 2204 2712 2954

SIR 21.7dB[24.3 dB |30.06 dB|33.7dB |34.3 dB

Table 9: Computed parameters for best results at ¢y =0°
N=12

SLL(dB)| -13.4 | -14.6 -16.6 | -18.9 -20.1

Directivity| 8.68 dB |8.72dB |9.11 dB |9.97 dB |10.08 dB

FNBW 39° 39° 39° 40° 40°

AF 67 58.2 58 46 45.7

Figure 8 8 8 8 8

Iteration 893 1825 2321 2942 3000

Time (sec)| 1271 1735 2192 2856 2977

SIR 23.1dB |25.16 dB|[26.7 dB | 29.7 dB | 34.8 dB
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Best values include last modified iterations and
lesser amounts have been shown in the first modes in
Tables 6-9. The information which will be discussed, are
presented in Tables 6-9. In these tables the values of
directivity and the SLL using ACO are illustrated for
array patterns at p9=90° and ¢o=0°, which are shown in
Figs. 5-8. In Fig. 5 at 99y=90°, the best value of directivity for
an 10-element array is // dB and the best SLL using ACO is
-24.9 dB (3000" iteration). In another mode, Fig. 6 shows
10-element uniform circular array optimized patterns
with suitable values of radiation parameters at ¢,=0°.
The best values of directivity and SLL, respectively, for
Fig. 6 at ¢y=0° (3000" iteration) are /0.75 dB and -21.4
dB. The best values for 12-element array in Fig. 7 are as
follows: directivity is /0.32 dB and SLL is equal to -2/./
dB at ¢y=90° (3000" iteration), the results which are
shown in Table 8 are computed for 12-element uniform
circular array. In the final state, Fig. 8 shows the 12-
element uniform circular array optimized patterns with
the suitable measure of desired parameters at ¢o=0°. The
best values of directivity and SLL in this case in order
are 10.08 dB and -20.1 dB (3000" iteration). We
analyzed the numerical results from the simulated
structures of the antenna patterns and finally we found
that the final states (3000 iterations) present better
computed results with maximum reduction in SLL and
the suitable measures of directivity, so we can introduce
them as the states optimized propagations in Figs. 9-12.

1-

05- -

0.5-

0d ==

Fig. 9. Optimized state by ACO iteration 3000 at ¢y =90°
N=10.
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0.

0

=

08 06 04 02 0 02 04 06 08

1 3
4

Fig. 10. Optimized state by ACO iteration 3000 at ¢ =0°
N=10.

ACES JOURNAL, Vol. 30, No. 8, August 2015

0.5

o

Fig. 11. Optimized state by ACO iteration 3000 at p9 =90°
N=12.

1

0.5-

1 08 06 04 02 0 02 04 06 08

Fig. 12. Optimized state by ACO iteration 3000 at ¢y =0°
N=12.

The methods of ACO, GA and IWO were compared
to study the behavior of the desired method to optimize the
array pattern [7], [8], [16], [31]. The number of antenna
elements was set as N= /0 at the first case and N=12 at
the second mode in both angles (¢y=90 and ¢;=0°). We
also give all algorithms the same computation time with
equal computational resources. The stopping criterion is,
in both algorithms GA and IWO, the number of 3000
iterations like ACO. The obtained results of excitation
angular positions of array elements by GA and IWO
have been presented in Tables 10 and 11.

Table 10: The IWO and GA optimized values (¢,)

GA WO GA WO
78° 40° 90° 40° 0
15° 108° 10° 77° 02
60° 7° 30° 5° 03
99° 90° 8° 14° 04
47° 120° 36° 205° s

258° 220° 270° 220° 06
195° 288° 190° 257° 07

240° 187° 210° 185° 0s

279° 270° 138° 194° 0o

227° 300° 216° 25° P10

0° 0° 90° 90° 9o
3000 3000 3000 3000 | Iteration
10 10 10 10 N




Table 11: The IWO and GA optimized values (¢,)

GA WO GA WO
78 40 90 40 0
15 77 10 77 02
60 7 35 5.5 03
99 90 7.2 14 04
52 120 60 206 Qs
3.6 58 30 60 06
258 220 270 220 07
195 257 190 257 s
240 187 215 185.5 Qo
279 270 187.2 194 P10
232 300 240 26 o1
183.6 238 210 240 P12
0° 0° 90° 90° 0o
3000 3000 3000 3000 | Iteration
12 12 12 12 N

The best results for each run are considered and
Tables 12 and 13 show the comparison results; we can
say that Figs. 13-16 illustrate the best array factor
obtained for all of the algorithms. The numerical values
of the side lobe level, directivity and other parameters
results shown in Figs. 13-16 are presented in the Tables
12 and 13.
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Fig. 13. Compared algorithms results, ¢y =90° N=10.
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Fig. 14. Compared algorithms results, ¢y =0° N=10.
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Table 12: Computed radiation parameters for comparing
N=10

Method | 90 [SLL (dB)|Directivity[FNBW| SIR | AF
ACO [90°] 249 | 11dB | 41° | 38dB | 44
IWO |90°| -18.6 | 9.16dB | 42° |35.6dB| 55

GA [90°] -189 | 10.13dB | 45° |36.2dB| 49
ACO |0°| 214 | 10.75dB | 39.6° | 34dB |45.1
IWO |0°| -16 | 8.87dB | 35° | 22dB |56.2
GA |0°| -18 95dB | 37° |24.4dB] 51

Table 13: Computed radiation parameters for comparing
N=12

Method | 0 [SLL (dB)|Directivity[FNBW| SIR | AF
ACO [90°] 21.1 |1032dB| 40° [34.3dB| 47
WO |90°| -13 | 8.46dB | 36° |20.5dB|58.5
GA [90°] -16 | 8.81dB | 35° |22.8dB]| 60
ACO | 0°| 20.1 | 10.08dB | 40° |34.8dB|45.7
IWO |0°| -153 | 8.53dB | 38° |22.6dB]| 56
GA |0°| -141 | 871dB | 33° |19.5dB]| 66

The method of ACO presents a better performance
in terms of the side lobe level with respect to GA and
IWO, maintaining very similar values for the directivity
in the performance of these three optimization methods.
The results of the side lobe level and the directivity for
the optimized design are really surprising. In the case of
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the optimized designs for uniform circular array with 10
elements at ¢y=90°, it is obtained a SLL = -24.9 dB and
DIR =71 dB for ACO, a SLL=-18.9dB and DIR = /0.13 dB
for GA, and a value of SLL=-/8.6 dB and DIR =9./6 dB
for IWO. The obtained results in this case at ¢y=0° are a
SLL =-21.4dB and DIR = /0.75 dB for ACO, a SLL=-/8dB
and DIR = 9.5 dB for GA, and a value of SLL =-/6 dB
and DIR = 8.87 dB for IWO. In another mode of
optimization, the values for 12-element uniform circular
array are as follows: directivity is /0.32 dB and SLL is
equal to -2/.1 dB for ACO, a SLL=-/6 dB and DIR = 8.8/ dB
for GA and a value of SLL = -7/3 dB and DIR = 8.46 dB
for IWO at ¢y=90°. The computed results at py=0° in
order are a SLL = -20./ dB and DIR = 7/0.08 dB for
ACO, a SLL =-/4.1 dB and DIR = 8.71 dB for GA, and
a value of SLL =-/5.3 dB and DIR = 8.53 dB for IWO.
These values mean a substantial improvement in the
performance of the array for the design optimized by the
method of ACO, with respect to the conventional case of
progressive angular positions excitation, a substantial
improvements were obtained in the sense of the side lobe
level and the directivity. It can be seen that using the
ACO method gives radiation patterns which are
generally better than that obtained from the GA and IWO
results. Specifically, in range of the SLL and directivity
[22], [7].

V. CONCLUSION

In this paper, ant colony optimization (ACO) is used
to obtain maximum reduction in side lobe level relative
to the main beam and improve the directivity. The ACO
method was used to adjust elements angular position in
the circular antenna array to optimize the array pattern.
This method is very effective and can be used in practice
to synthesize other structures. The results of the
comparison express that antenna array patterns obtained
from ACO are generally have better SLL and directivity
than uniform circular array applying the desired
algorithm in [22], [7]. All these factors together have
been considered for optimal results in our design
problem and these accounts for the understatement of
this work.
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Abstract — We describe a space-frequency domain
iterative algorithm to analyze the modes of planar
optical waveguides. The one dimensional Maxwell
equation was transformed into space-frequency domain
by Fourier transform, and became an integral equation
which could be solved by an iterative method. For any
refractive index profiles, the effective index and mode
field distribution are given simultaneously. The
numerical result shows that this method is accurate and
flexible for planar optical waveguides with any
structure.

Index Terms — Fourier transform, iterative method,
planar waveguide, space-frequency.

L. INTRODUCTION

Planar optical waveguides are the fundamental
components in integrated optical circuits and used for
optical amplifiers, lasers sensors and other optical
devices [1-6]. All the characteristics of planar optical
waveguides are based on the analysis of propagating
modes which include the propagation constants and
field distributions. The modes propagation constants
and fields can be obtained by solving Maxwell’s
equations subject to the appropriate boundary
conditions. However, the refractive index profile of
planar waveguides is not only step but graded usually,
exact solutions are given for only a few class of index
profile [7]. For the most planar waveguides,
approximate or numerical methods are used to analyze
the modes fields. In general, the approximate methods
[8,9] such as the method of perturbation and WKB
method, have a clear physical insight but are not very
accurate; numerical methods [10-16] can give solutions
to the desired accuracy but require complex calculation.
ATMM [17]is an effective and accurate tool for planar
optical waveguides with arbitrary index profile.
Unfortunately, ATMM is difficult to expand for two

Submitted On: June 14, 2013
Accepted On: June 13, 2015

dimensional optical waveguides.

In this paper, a novel iterative algorithm in the
space-frequency domain has been introduced to the
analysis of planar optical waveguides. The one
dimensional wave equation was transformed into
space-frequency domain by Fourier transform, and
became an integral equation which could be solved by
an iterative method. The only complex calculation in
the iterative operation is the convolution integral which
could be completed by fast Fourier transform (FFT).
For any refractive index profiles, the effective index
and mode field distribution are given simultaneously.
As the test calculation demonstrates that the dispersion
curves given by our method agree extremely well with
the exact solution.

II. WAVE EQUATIONS IN THE
SPACE-FREQUENCY DOMAIN
Considering the TE mode of a planar waveguide,

the scalar-wave equation is:
2

d?’ +(kon* ()= B7)E, =0, (1)

where k, is the free-space wave number, n(x) is the
x-dependent refractive index, and S is the propagation
constant. It is noticeable that »(x) is given in the form

of generalized function which include the boundary
conditions expressly. Especially, when n(x) is not a

continuous function of x. Given a Fourier transform, the
scalar-wave equation (1) in the space-frequency domain
is written as:

—szy(k)+k§N(k)*Ev(k)—ﬁzEv(k)ZO, (2)
where £ is the space frequency, £ (k) and N(k) are the
Fourier transform of £ (x) and n*(x) respectively,

* represents convolution integral. For a sample
transpose, equation (2) changes into:

1054-4887 © 2015 ACES
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N(k)*E, (k) E (k)
F+pt kR

We define an operator A:

~ N(k)=* f(k

Ap =ML,

k+p

where f (k) is an arbitrary function of k. Thus, equation
(3) becomes a normal eigenvalue equation, i.e.:

AE, =E,, )

3)

where A=1/k, .
For TM modes, the scalar-wave equation is:

d*H, d(Inn’(x))dH
Y _ ¥y 2.2 _ 2 =0, 5
e +(kon*(x)—BH, =0, (5)

where n(x) is the x-dependent refractive index for the

whole region including the core and cladding.

As doing for equation (1), in space-frequency
domain, equation (5) could be written as a general
eigenvalue equation:

AH, =ABH . (6)
where B isan operator:
. kF (Inn’(x)))*(kf (k)
Bf(k)=f(k)—( ( - )>2 W®)
+p

F (ln n (x)) is the Fourier transform of Inn’(x).

III. ITERATIVE FORMULA FOR THE
SOLUTION
Eigenvalue equations (4) and (6) are the integral
equations which can be solved by an iterative method.
For the purpose of simplicity, let ¥ represent E, or

H . We are on the assumption that the eigenvalues:
A>L >4 > >4,
correspond to these eigenvalues, the eigenfunctions are:
Vi WWs Y, -
Choose an initial solver function x, which can be
represented a:
Xo=aly +a, +etay, +-.
For equation (4), we give the iterative formula:
X, =a,dx, m=0,1,2:--- (7
Thus,
x = (qdy, + oAy, +-+aldy,),
X = alaofa(alﬂlz‘//l ta Sy, et a, Ay,

X =

m+1

aoal"'amalﬂfn{%"'z_?[%J Wz"'”""(%] '//nj'(g)

Fortunately, as m is increased, except the first one, the
other terms in formula (8) converge to zero. This means
that when m is large enough, x, >ay, is the

eigenfunction corresponding to the eigenvalue 4,
which is the maximum of all the eigenvalues. When
you get the maximum of eigenvalues A, and its

eigenfunction y,, let x, :)c,.—(x,.*-(//1)/(1//1*~(//l)1//1 ,
use the same iterative formula, the second maximum
eigenvalues 4, will be given.

For equation (6), define another operator C :

o (kF (@) * (k)
Cf (k)= ) :
k" +p
so the general eigenvalue equation (6) can be written
as:

(4+4C)H, =2H, .
Like formula (7), the iterative formula is given as:
m=0,1,2---. 9
Searching a when the convergent «,a=1, so the

xm+l = O.’m (Axm + acxm)

x, = ay, is the eigenfunctions corresponding to the
eigenvalue A, =1/¢, which is the maximum of all the
eigenvalues.

IV. NUMERICAL CALCULATION
EXAMPLES

Two numerical calculation examples are given for
comparison with theoretical solutions. The first one is
step index three layers waveguide, which structure
parameters are following: core thickness is 2.0um, index
n, =1.50, cladding index 7, =1.40. The dispersion curve
of TE, mode is given in Fig. 1, and Fig. 2 shows the
errors compared with analytical solution. The numerical
results conform to the analytical solution very well.
Except for very small value of f, the errors are all
under 107

At Table 1, the effective index for modes TEo, TE;,
TMo and TM; are shown. Contrasted with analytical

calculation results, the relative errors are about 1077 for
TE modes and 10 for TM modes.

1.50

Mode TE,

1.48

Effevtive Index

¢ Calculation

Theory

1.42

0 1 2 3 4 5 6 7

wave number o/c [1/um]

1.40

Fig. 1. Dispersion curve of mode TEy.
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Fig. 2. The errors of dispersion curve for mode TE,.

Table 1: Effective index of mode TE and TM

This Work Analytical Relative Error
TEo | 1.47429328 1.47429290 2.581x107
TE; | 1.41395949 1.41395911 2.735x107
TMo| 1.47239343 1.47239162 1.230x10°°
TM;| 1.41221956 1.41221736 1.563x10°°

Figure 3 and Fig. 4 show the field intensity
distribution of TE mode and TM mode. It is difficult to
distinguish the curve from the theoretical solutions.

o =N TE,
————— - TE,
\ Index profile

0.5F N
z
5 = i .
E 0.0F = = i
) T i
s _ i
= 05t N

q.0k \J/

6 -4 -2 0 2 4 6
X [pm]

Fig. 3. Field intensity for TEo and TE; mode in a three
layer step index planar waveguide.
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Fig. 4. Field intensity for TMo and TM; mode in a three
layer step index planar waveguide.

Another example is a waveguide with a graded
index profile:

n’(x)=n; +(n’ —n3)/ Cosh’(x/ a). (10)

For our calculation, the parameters are taken #», =1.50,

n, =1.40 TE modes, the

dispersion relation is [7]:
2 2 2 2,2 2 1 1 1 ’
B =kony +| \|kg(nf —ny))+—5 ——| m+— (11)
4a” a 2

m=0,1,2,...,

but there is no analytical solution for TM modes. In
Table 2, we can find the difference of effective index
between our calculation and analytical solver is tiny.
Figure 5 shows the dispersion curve of mode TE, and
Fig. 6 is the errors of this curve compared with theory.
For almost all propagation constants /3 , the errors are less
than 10°. Field intensity distributions of TE and TM
modes are given in Fig. 7 and Fig. 8.

and a=2.0um. For

Table 2: Effective index for mode TE and TM

This Work Analytical | Relative Error
TEo | 1.462148481 | 1.462148481 -3.60x10°!!
TE; | 1.410160571 | 1.410160572 | -2.23x10°1°
TM, | 1.460876908 — —
TM; | 1.410515558 — —
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Fig. 5. Dispersion curve of mode TEq.
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V. CONCLUSION

In this paper, we find that in space frequency
domain the Maxwell’s equations for planar optical
waveguides become an integral equation. This integral
equation is the standard form of eigenvalue problem
which can be solved by iterative algorithm. Two
numerical calculation examples show that this method
has a high accuracy for determining the effective index
and mode field distribution simultaneously. Especially,
this method is not only used for analysis of arbitrary
structure planar optical waveguides, but also can be
extended to 2D for optical fibers mode solution.
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Abstract — An adaptive antenna array combines the
signal of each element, using some constraints to
produce the radiation pattern of the antenna, while
maximizing the performance of the system. Direction of
arrival (DOA) algorithms are applied to determine the
directions of impinging signals, whereas beamforming
techniques are employed to determine the appropriate
weights for the array elements, to create the desired
pattern. In this paper, a detailed analysis of both
categories of algorithms is made, when a planar antenna
array is used. Several simulation results show that it is
possible to point an antenna array in a desired direction
based on the DOA estimation and on the beamforming
algorithms. A comparison of the performance in terms of
runtime and accuracy of the used algorithms is made.
These characteristics are dependent on the SNR of the
incoming signal.

Index Terms — Adaptive antenna array, beamforming,
direction of arrival, planar array.

I. INTRODUCTION

The adaptive or smart antennas due its benefits have
a great potential over all the future wireless
communications. These antennas consist of arrays with
several elements, which combines the received data from
each element of array in such a way that improves the
communication, suppressing interfering signals.

The increase of the coverage, the enhancement of
the system capacity and the ability to reduce/mitigate
some communication impairments such as interferences
and multipath fading are relevant features about the
impact of this technology in the performance of the
wireless communications. The smart antennas has the
spatial diversity capabilities, which relies in the
possibility to transmit simultaneously several data
streams, exploiting the spatial multiplexing gain of

Submitted On: July 31, 2014
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MIMO systems, increasing the spectral efficiency and
the data rates.

Firstly developed for military applications, in the
last century, took part the evolution of wireless
communications and, nowadays, the smart antennas are
attractive for several areas that range from the military
applications, satellites, and mobile communications,
especially in base stations, 4G MIMO and the emerging
5G MIMO.

The adaptive antennas can detect the direction of
signals that impinge at the antenna using the direction of
arrival estimation algorithms, and then weighting each
array element can change the radiation pattern of the
antenna, not only to point to a preferred zone, but also to
place nulls in the others, to mitigate possible interfering
signals.

These weights (amplitude and phase) are estimated
using the beamforming algorithms. The block diagram
of a smart antenna procedure is presented in the Fig. 1.
In reception mode, a sample of received signal at each
element of the array is used through DOA algorithms to
estimate the directions of the arriving signals. Once
determined, the directions of interest and of the
interfering signals are selected, by some auxiliary
intelligence. Then, using the angular locations, the
beamforming algorithms are used to compute the needed
weight to apply to each element of the array, to point the
antenna pattern as is intended.

This paper is organized into six sections. It starts
with an introduction, inserting the work in the smart
antenna domain. The second section describes the
direction of arrival estimation algorithms, with a focus in
the two dimensional antenna arrays. The following
section, the third, is related to beamforming, exposing
the main algorithms applied into planar smart antennas.
In the fourth section is made the system integration,
combining the DOA and beamforming algorithms to

1054-4887 © 2015 ACES
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create an example of application, detecting signals and
pointing the radiation pattern of a planar array antenna
for them. Then, there is a section of results with a
detailed examination of the performance of the
algorithms. Finally, the paper is concluded in the section
six, grouping the main results taken from this analysis
and some future prospects.

Antennas

Beamforming
weights

Output signal

Fig. 1. Adaptive antenna array system.

II. DIRECTION OF ARRIVAL

The algorithms to determine the directions of arrival
of the signals are a vital part of the adaptive antenna
system, due to its ability to filter out the surrounding
noise.

Processing the electromagnetic waves that reach to
the antenna array is possible to extract some info about
the signal, such the direction whence is arriving to the
antenna. Estimating the DOA’s, then is possible to
distinguish the directions of interest to point the antenna
and directions of intrusive signals, to reduce its effects in
the communication.

There are three classes of methods to do this, the
classical, the maximum likelihood and the subspace
methods, which differ mainly in the performance and
computational requirements [1], [2]. The classics are based
in the beamforming, in which the central idea is to scan
the antenna beam over the space and the locals in which
more power is received are the DOAs. These methods
are theoretically simple but involve a high computational
effort and offer a low performance. A different class is
based on the maximum likelihood techniques, which
present a high performance but with high computational
requirements, due to the necessity to solve nonlinear
multidimensional optimization problems. Finally, the
subspace methods make use of the received signal and
noise subspace to achieve a tradeoff between the
performance and the computational efficiency. The
performance of the subspace-based methods is limited
essentially by the accuracy of distinguishing the signal
and the noise subspaces in the presence of noise. For the
planar uniform array the most applied algorithms are
MUSIC and the 2D ESPRIT, that are subspace based [1].
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A. Multiple signal classification - MUSIC algorithm

This DOA algorithm is perhaps the most popular
method and uses the fact that the steering vectors of the
incoming signals lie in signal subspace and are
orthogonal to the noise subspace. The MUSIC [2]-[5]
search in the all possible steering vectors, those that are
orthogonal to the noise subspace of the covariance
matrix of the received data.

Using the received information from each array
element, the MUSIC through eigenvalue decomposition
or singular value decomposition of the correlation matrix
of this data, estimates the noise subspace, as exemplified
in the diagram of Fig. 2. After the noise subspace be
known, U, , the DOAs are the resulting peaks of the

MUSIC spectrum, that is given by equation (1), that is
function of @ and ¢ through the steering vector s(6,¢):
1

H H 2 (1)
N (gaw)UNUN S(sz)
where M represents the conjugate transpose matrix of
M (Heremitian). When a steering vector is referring to
one arriving signal, the product s” (0,9 )U,, is equal to

Pusic (0,9) =

zero, ideally, and the function assumes a high value
(peak).

Covariance
At MUSIC
algorithm

and
subspace
formation

Fig. 2. 2D MUSIC.

The MUSIC algorithm is easily understood and can
be implemented in all antenna array geometries,
however, computationally requires a lot of resources,
since it should calculate the MUSIC spectrum, equation
(1), for all possible steering vectors to estimate the
desired peaks. The estimation error of MUSIC algorithm
is substantially influenced by the angle grid interval in
which the equation (1) is evaluated.

In the presence of coherent signals, as in multipath
environments, spatial smoothing schemes [6], [7] must
be applied to suppress the correlations between the
incoming signals.

B. Estimation of signal parameters via rotational
invariance techniques - 2D ESPRIT algorithm

An additional known subspace based DOA
algorithm is the ESPRIT [8]-[12]. This scheme solves



the issues of the high computational requirements of the
MUSIC, and the resulting effects of array calibration
errors. The ESPRIT algorithm employs the property of
shift invariance of the antenna array, and due to this
property is not fundamental to have a high level of
calibration in the array.

The computational complexity of the ESPRIT is
reduced once this algorithm imposes some constraints on
array structure. The ESPRIT assumes that the separation
between equivalent elements in each sub-array is fixed,
Fig. 3, and therefore the array presents a translational
invariance. This translational invariance leads to a
rotational invariance of the signal subspace that will
allow estimating the DOAs.

0,0) Sub-array 4

Sub-array 2

Fig. 3. Sub-array division (3x4) with maximum overlap.

The algorithm follows three steps, the signal
subspace estimation, the solution of the invariance
equation and the DOA estimation.

1) Signal subspace estimation:
Computation of the U. 2)

2) Solve the invariance equation:
Kulvavu = KIIZUS" (3)
Kv]U.va = KVZUS >

where K,;, K2, K,; and K, represent the two pairs of

transformed selection matrices, while Y, and Y, are the

real-valued matrices [10].

3) DOA estimation:

4 i=1...d —>eigenvalues of Y, +jY,,
u, =2tan"' (Re{4,}),
v, =2tan" (Im{4}),
g, =arg(u,— jv,) 6 =sin”(u, — v,
where 6, and ¢, are the DOA angular information.

(4)

1. BEAMFORMING
In fact, despite the interest and intrusive signals
occupying the same frequency range, they are created
from different spatial positions. Once identified the
directions of arrival of its signals, is necessary the use of
spatial filtering techniques, also known as beamforming
techniques, due to deal with in the beam pattern of an
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antenna array. Based on these directions, the beamforming
processing to control the antenna pattern is made,
improving the performance of the communication.

The control of the radiation pattern of the antenna
array is achieved, as is illustrated in the Fig. 4, varying
the relative amplitude and phase of each element of the
array and is based on this rule that the beamforming
techniques operate. There are several algorithms already
developed to calculate the complex weights (amplitude
and phase) to apply to the antenna array.

Fig. 4. Beamformer system.

These beamforming techniques can be classified
according to the way on how the weights apply to the
array are estimated, as data independent or statistically
optimum [13], [14]. In the data independent, the weights
are chosen to provide a desired response independently
of the received data by the antenna, while in the
statistically optimum the weights are estimated
according to the statistics of the received signal in order
to optimize its response, reducing or ideally suppressing
the intrusive signals.

Often, statistical information of the collected data
from the array are not available or varies in time,
therefore adaptive algorithms are typically useful to
estimate the weights and are designed in order to their
response tend to a solution statistically optimum.

A. Statistically optimum beamformer
These beamformers are applied to diminish the
influence of the interfering signals in the communication
while pointing the antenna pattern in the direction of
interest signal. Some examples of statistically optimum
algorithms present in the literature [13] are:
e  Multiple sidelobe canceller (MSC),
e  Use of reference signal,
e  Maximum SNR,
e Linearly constrained minimum variance (LCMV).
The MSC beamformer is composed by a main
channel and others auxiliary channels, and the idea is to
choose the appropriate weights to apply to the auxiliary
channels to cancel the interference signals from the main
channel. This procedure presents some limitations, once
MSC doesn’t point the main beam to a desired signal,
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and the weights must be estimated with the absence of
the desired signal. Based on this, MSC is only effective
when desired signals are weak relative to interferences.
The use of a reference signal requires some knowledge
about the desired signal, to generate a reference signal in
order to minimize the mean square error between the
output and the reference signal. Using the maximum
SNR solution requires the knowledge of the covariance
matrix of the desired signal and of the noise.

Finally, one of the most important statistically
optimum algorithms with higher applicability is the
LCMV, which is described below followed by a different
approach of its formulation known as generalized side
lobe canceller (GSC).

1) Linearly Constrained Minimum Variance

Most of the times the desired reference signal is
unknown or we don’t have enough information about it,
being necessary to impose some linear constraints in the
weight vector to minimize the variance of beamformer
output. This is obtained using the LCMV beamformer
[15]. The constraints impose that the desired signals
from a known direction are preserved and the interfering
signals influence is minimized.

The LCMV formulation problem is to select the
complex weights that are suitable to the multiple linearly
independent constraints:

md}n wHRxw subject to CHW =f, (5)

where w is the vector of weights, R, the covariance
matrix, C is the constraint matrix and f'is the response
vector.

The solution of the constrained minimization of
LCMYV problem can be achieved applying the method of
Lagrange multipliers and results in [13]:

Wopt =Ry ]C(CHRxC) ]f~ (6)

It is important to note the dependence of the optimal
weight vector (6) with the data correlation matrix, and
therefore with the statistics of the input signal.

a) Generalized Sidelobe Canceller - GSC

The generalized sidelobe canceller is a different
approach to solve the LCMV problem, providing a
simple implementation of the beamformer and change
the constrained minimization problem to an
unconstrained scheme [16], [17].

The GSC separates the LCMV problem into two
components, one data independent and other data
dependent, as is illustrated in Fig. 5. In GSC structure,
the optimum weight vector is decomposed in two
orthogonal components that are in the range and null
space of C, in the manner that w=w, —Bw,,. The array

outputis y =w"x—wl B"x, as is shown in the Fig. 5.
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X +EE
Wo yd -A
u
B —> Wy

Fig. 5. Generalized sidelobe canceller.

The w, vector is the quiescent part of w, and is used
to constrain the weight subspace, and must satisfy the
linear constraints [16]:

C'w =f = w =CC"O)"f. (7

The w, is designed respecting the imposed
restrictions, is independent of the data and represents the
non-adaptive component of the LCMV solution. In
inferior branch, the blocking matrix B and w,, will

block the interfering signals influence, while minimizing
the variance of the output signal y. This is the data
dependent component. The blocking matrix B must be

orthogonal to the constraint matrix C, so C?B=0.
The GSC unconstrained problem is:
min (w, — Bw,,)" R_(w, — Bw,,),
" , (8)
subject to C"w=f,
and the optimal solution is:
w, =(B"R.B)"'B"Rw,. )
This implementation of beamformer has significant
benefits, such the w, is a data independent beamformer
and w,, is an unconstrained beamformer.

B. Adaptive algorithms

The statistically optimum beamformers uses the
received data statistics, which often may change over the
time or may not be available. Adaptive algorithms solve
this issue [13].

The adaptation error corresponding to a weight
vector is calculated and then is processed a new weight
vector with a reduced error. Examples of adaptive
algorithms are the well-known least mean square (LMS),
the recursive least squares (RLS) or the Frost’s
algorithm.

1) Frost’s Algorithm for LCMV Beamforming

The Frost’s algorithm [14] belongs to the group of
LCMV beamformers. The LCMV estimated weights are
based on the received data information statistics (Ry), but
in many situations the second order statistics are not
available or are continuously changing, being necessary
the use of adaptive algorithms. Frost’s algorithm
solution minimizes the mean square error while



maintains the specified response to the desired signal.
The weight vector starts with an initial value:

w=CCC"Cy'f, (10)
and in each iteration the vector will be updated on

negative gradient direction by a factor defined by 1 :

w(n+1)=C(C"C)" £+ P(w(n) - ue (m)x(n)),
11

P=I1-cCc"o)y'c”. (b

2) Least Mean Square

Least mean square algorithm [13], [14], [18], [19]
estimates the gradient vector and adjusts the weight
vector in the negative gradient direction at each iteration:

Wy (1) = wy, (1= 1)+ gau(n =)y (n=1),
¥ = 3, (m) = w,,” (), 02

1
O<upu< P
where Amax is the largest eigenvalue of the correlation
matrix.

The gain u [13] (0<u<I) is the parameter that
controls the convergence rate. Smaller values result in
slow convergence and good approximation, while higher
values lead to faster convergence and the stability around
the minimum value is not guaranteed. This is a simple
algorithm and with a correct choice value of u, the

weight vector tends to an optimum solution.

3) Recursive Least Squares

The recursive least squares [13], [14] has a high
convergence rate, faster than the LMS; however, the
computational complexity is higher.

The RLS problem is:

N
min Z AN
wi (K) 30

with 0<A<I a constant called forgetting factor.
The algorithm can be described as [13]:

P0)=6"1,

v(n) = P(n—u(n),

Ko = A

1+ A u” (n)v(n) (14)

a(n) =y, (n) = wy (n=Du(n),
wy, (1) = w,, (n=1)+k(n)a" (n),
P(n)=A"P(n-1)—A1"k(np" (n),

where / is the identity matrix and J a small value.

2
k)

(13)

V(1) = wyy (myu(n)

IV.SYSTEM INTEGRATION
The simulated system consists of a planar antenna
array that receives an input signal x(t), that is a sum of
various signals impinging in the antenna and noise, as is
shown in the Fig. 6. The received data is after processed
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to estimate the angles of arrival of each signal. Then,
using the beamforming algorithms, the system processes
the group of weights to apply to each antenna array
element to point the radiation pattern to the desired
direction while minimizing the impact of the others
signals considered as interferences.

(0501 ’¢Sl)1)

(01,,,,¢1m) (91n1=¢[m)

1
11[0):¢ " Beamforming ¥

Estimation weights
computation

Planar array

Fig. 6. Implemented system.

Consider a MxN  uniform planar array as
presented in the Fig. 7, with spacing between elements
of d; on rows and d> on columns. There are J signals s(7)
that collide onto the antenna array with an elevation
angle @ and with an azimuth angle . The input signal
at each array element (m, n) is the sum of the
contributions of the J signals and noise n(t):

x,, (@)= ZJ: s, ()e +n,, (1)

u, =sino,

52 L,y (m=1) v, dy (n=1)
(15)
v, = cos 0, sin g,
m=1....M n=1,....N i=1,..,J,
where A is the wavelength.

Fig. 7. Planar array.

It is possible to represent the received data in vector
structure X(t) and noise vector N(t) as:

X(0) =[x, (0) %, () -+ Xy, (1) %5 (2) =+ 2, () ]T’ (16)

N(@) =[n,,(2) 7, (1) -+ 1y () 1, (1) -+ 7, () 1. a7

The steering vector of the each signal that arrives to

the planar array contains the set of phase delays that a

wave will take relating to each element of the array, and
for a planar array can be represented as [20], [21]:
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2mdy 2rdy T
Cu :|:1 e,l 7 (2-Duy; e/ 7 (M 1),:| ; (18)
c :{1 PR } (19)
A=C,®C,, (20)

where the ® is the Kronecker product, C, and C, are the
steering vectors in x and y direction and A the steering
matrix of the planar antenna array.

So, the total input signal X(t) can be expressed in the
following formula:

X@) = isi )4, + N(@). (21)

The output signal of the planar array, with
beamforming weights # applied to each array element
will be:

v =w"X(@), (22)
W =Wy, Wy = Wy Wy =Wy ] (23)

In this work, the signal X(t) that collides to the
planar array antenna is generated previously. This data is
the sum of diverse signals with different directions
(0.9), the signal of interest, interferences and noise.

The set of signal samples that reaches each element of
the array is processed by a DOA algorithm to determine
the angles of arrival and the number of signals.

With some knowledge to distinguish the interest
signal and interferences, one of beamforming algorithms
is applied to achieve the correct weights to point the
antenna array to the desired location.

The antenna array for test presented in the Fig. 7,
was simulated in the electromagnetic simulator HFSS
(High Frequency Structure Simulator) [22] and consists
of a planar microstrip array of 16 elements with a 4x4
shape, designed for 12 GHz.

Using as a uniform planar antenna array, that uses
all elements feed with the same amplitude and phase
(unitary weights), the radiation pattern of the antenna is
perpendicular to the antenna plane, and points to the
origin (6,¢) = (0°,0°).

In the electromagnetic simulator is possible to
modify the relative amplitude and phase of each element
of the array, based on this, the calculated weights with
beamforming algorithms were tested in the simulated
planar antenna array.

V.RESULTS
Using the MATLAB [23], the DOA and
beamforming algorithms were implemented and its
performance was analyzed when applied to a planar
antenna array. The system (DOA and beamforming)
simulation was tested using several group of angles of
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arrival of signals with excellent results. As an example
of test, two signals with directions (9,¢) =(45°,45°)

and (6,¢)=(70°,0°) was employed using a 4x4 planar

antenna array with 0.5A element spacing, as presented in
Fig. 7.

A. Direction of arrival

With the received signal (16) from each element of
the antenna array (that is a composite of various
components of interest signals, interference signals and
noise), the direction of arrival algorithms estimates the
locals that electromagnetic signals are arriving to the
antenna. The MUSIC and ESPRIT algorithms were
tested.

a) MUSIC

The 2D MUSIC algorithm creates a two-
dimensional grid, in the range which the angles vary
6 €[0,90] ¢ €[0,360], and then, evaluates the function

Puusic (1) for each point of the grid. The Fig. 8 illustrates
the result of the MUSIC algorithm, a spatial graph that
present peaks in the position of incident signals.

According to the Fig. 8, the function contains two
peaks, which are evidenced. Note that there is another
peak but is assumed to be repeated, once 0° and 360° is
the same spatial location. To be easier to define the peaks
of the graph, one function to detect correctly the N
maxima values was implemented. This function only
gives the points of zero gradient.

The result of this function is shown in the Fig. 9,
with the two well defined peaks. The output of the
MUSIC algorithm is that the incident signals that arrive
to antenna are coming from (45.3°, 44.82°) and (70.07°, 0°),
which are very close to the initially proposed angles.

0 (deg) 0o

 (deq)

Fig. 8. 2D MUSIC spectrum.
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Fig.9. MUSIC 2D spectrum peaks.

b) ESPRIT

Using the equal received signal X(t) by each
element of the antenna was processed the other DOA
estimator, the ESPRIT algorithm. This algorithm doesn’t
use a grid to evaluate a function, but the output is just the
pair of angles (0, ¢) estimated.

The output of the ESPRIT algorithm estimates that
the signals are arriving from (6,¢)=(45.02°,45.11°)

and (6,¢) = (69.82°,0.03°).

The DOA algorithms implemented exhibit
estimated results very approximate to the original values.
These algorithms only receive the signal X(t), and
provides the spatial position of each incoming source
which compose it.

Once known the DOA’s of the signals, is necessary
to apply some knowledge and choose the local to point
the antenna and interfering directions. Assuming that the
first pair of values (6,¢) is the direction of interest, and

the following the interfering signals, the system then
employs the beamforming algorithms to determine the
appropriate weights to apply to each element of the
antenna array.

B. Beamforming

The beamforming weights are a set of amplitude and
phase delays that are applied to an antenna array, to
combine the signals in such way that produces
constructive interference in some locals and destructive
in others. These weights can be displayed in an
exponential form w= A4 e’”.

The four beamforming algorithms presented before
were tested and the resulting weights were inserted in the
simulated antenna of the Fig. 7 and evaluated the
obtained radiation pattern. The locals (6,¢) of the
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considered signals are: signal of interest: (45°, 45°), and
interference: (70°, 0°).

a) LCMV
The optimum solution for the LVCM problem were
implemented, with input of the angles estimated by DOA

algorithm, and using a response vector 7 =[10]"7 to

consider the first pair of angles the interest direction and
the second the local of interference.

The result of the algorithm is presented in the Table
1, this output is composed by the complex weights
already decomposed in terms of amplitude and phase, to
apply directly to the corresponding element of the 4x4
array.

Table 1: Weights resulting from LCMV beamforming
algorithm

Optimum LCMV
Amplitude £ phase
1 2 3 4
1 11.0£0° 1.0 £-90° | 1.0 £-180°] 1.0 £ 90°
2 11.0£-90° | 1.0 £180° | 1.0£90° |1.0£0°
3 ]11.0£180°]1.0£89° |1.0£0° 1.0 £-90°
4 11.0£90° [1.0£0° 1.0 £-91° | 1.0 £ 180°

The resultant radiation pattern of the planar antenna
with these weights applied is shown in the Fig. 10. It’s
possible to observe the maximum of the radiation pattern
pointed to the local (45°, 45°) of the signal of interest,
with green dashed arrow, while in the direction (70°, 0°),
with a red filled arrow, exists a low power value to
diminish significantly the influence of the interference
signal in the received from this direction.

Signal of interest

L
Interference *»,

Fig. 10. The radiation pattern of the planar array with
optimum LCMV weights applied.

b) Adaptive Frost’s Algorithm for LCMV Beamforming
Another solution to solve the problem is using
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adaptive algorithms that are a more realistic approach,
due to the environment changes.

With the considered pair of angles for the signal of
interest and interference directions, was tested the
adaptive Frost’s algorithm for LCMV beamforming.
This algorithm was processed with a 100 samples of the
input signal, iteratively, and the output resulting weights
is presented in the Table 2.

Table 2: Weights resulting of adaptive Frost’s algorithm
for LCMV beamforming
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(red filled arrow) in the (70°, 0°) zone.

Table 3: Weights resulting of the adaptive LMS
beamforming algorithm

Adaptive LMS

Amplitude / phase

Adaptive Frost’s LCMV

1 2 3 4
1 11.0£0° 1.0 £-83° 10.9 £156° | 0.6 £83°
2 1072£-83 |1.0£179°]1.0£93° |12.£2°
31092-178°/09 £61° |09 £23° 0.6 £-78°
4109269 106213 10.6£-59° ]0.6£-169°

Amplitude £ phase

1 2 3 4
1 11.0£0° 1.0 £-90° | 1.0 £-180°] 1.0 £90°
2 11.0£-90° 1.0 £-180°/ 1.0 £90° |1.0£0°
3 11.0£180°[1.0£90° [1.0£0° 1.0 £-90°
4 11.0£90° 11.0£0° 1.0 £-90° | 1.0 £-180°

With these weights applied in the planar antenna, the
new radiation pattern created is presented in the Fig. 11.
It’s observed that the antenna points to the direction of
interest (green dashed arrow) placing a null in the
interference zone (red filled arrow), as is pretended.

Signal of interest

Interference °.,
X

Fig. 11. The radiation pattern of the planar array with
Frost’s algorithm beamforming weights applied.

¢ LMS

The known algorithm of least mean square was also
performed in MATLAB, for a planar antenna array and
to point to the considered directions. The result of this
algorithm is available in the following Table 3.

This adaptive algorithm uses as the previous 100
samples of the received signal X(t). The produced
radiation pattern when inserted the LMS weights is
illustrated in the Fig. 12.

As is visible, the antenna points its maximum (green
dashed arrow) in the direction (45°, 45°) and places a null

Signal of interest

Interference

Fig. 12. The radiation pattern of the planar array with
LMS algorithm beamforming weights applied.

d) RLS

The recursive least squares algorithm was also
implemented to estimate the appropriate weights for this
scenario. The output of this algorithm is presented in the
Table 4, with the amplitudes and phases calculated to
employ in the simulated antenna array.

Table 4: Weights resulting of the adaptive RLS
beamforming algorithm

Adaptive RLS
Amplitude / phase
1 2 3 4
111.0£0° 0.7 £-104°| 0.5 £ -161°| 0.9 £ 102°
2 1.22-92° | 1.2 £175° 108 £107°]0.9 £-34°
3 1082-163°/0.3 £127° 0.8 £-100°| 0.8 £-73°
41042101°1062-4° 107 £-114°/0.5 £-128°

13.

green

With this set of weights applied in the array, leads
to the resulting radiation pattern that is shown in the Fig.

As expected, the antenna will move its radiation
pattern in the direction of interest (45°, 45°) indicated by
arrow, becoming profitable the
communication with a signal from this direction.

dashed



Signal of interest
Interference  “*«,,

Fig. 13. The radiation pattern of the planar array with
RLS algorithm beamforming weights applied.

After the estimation of the arrival directions of the
impinging signals to the antenna and the calculation of
the weights to steer the radiation pattern, using various
algorithms, it is imperative a comparative description
about their performance.

C. System performance

The system that consists of DOA estimation and
computation of the beamforming weights was evaluated.
The performance can be evaluated in terms of running
time for all algorithms, the changeability of its results
when the noise level alters and in terms of estimation
errors.

Varying the signal to noise ratio (SNR), the runtime
of the all algorithms was analyzed, applying
beamforming and DOA estimation algorithms. The
estimation error was also calculated, and the results are
presented in Tables 5-8.

In accordance with Table 5, the runtime of LCMV
algorithm is less significant than any of the direction of
arrival algorithms (MUSIC or ESPRIT), and a variation
with SNR is not significantly noted when SNR changes
from 10 to 15 dB, although approximately doubles when
SNR reduces from 10 to 5 dB. The MUSIC estimation
algorithm is temporally extremely heavier than the
ESPRIT. Note that the execution times don’t have a
marked variation with noise, despite the tespriT tends to
diminish when the SNR increase.

In terms of errors in the angle of arrival estimation
(0,9), this error tends to reduce with increasing of

SNR. Using the ESPRIT algorithm is observed the
reduction of the errors; however, using the MUSIC
algorithm the error is constant. This regular value is a
consequence of the choice of the evaluation angle grid of
the function Pwmusic, as will see after, whereby must be a
compromise between execution time and estimation
error.
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Table 5: Variation of the runtime and estimation error
with SNR using LCMV algorithm

SNR (dB)

5 10 15

Tyusic 5.92 6.03 5.34
MUSIC | Tremy ) | 0.0199 | 0.00089 | 0.00098
- £g dearees) | 0302 | 0.302 | 0.302
2 £y (degees) | 0.305 | 0305 | 0.305
< TespriTe | 0.052 | 0.038 | 0.013
Tremy o | 0.0013 | 0.0011 | 0.0009

BRI weaes | 0.08 | 0.04 | 002
£, erees) | 0.167 | 0.141 | 0.0275

Using the Frost’s algorithm, as it is adaptive, it has
a runtime which diminishes with the SNR, Table 6. The
DOA algorithm’s performance remained with
characteristics already described about the execution
time. The estimation errors in the case of MUSIC
continue mainly affected due to the selection of interval
in the grid angle to evaluate the equation (1), while in
ESPRIT is visible an error reduction with the increasing
of SNR.

Table 6: Variation of the runtime and estimation error
with SNR using Frost’s algorithm

SNR (dB)
5 10 15
Tyusic & | 5.67 5.15 5.53
MUSIC |% Frost's 9 | 0.0118 | 0.0047 | 0.0007
; E¢ (degrees) 0.302 0.302 0.302
2 €4 (degrees) | 0.305 | 0.305 | 0.305
E TespriT | 0.015 | 0.0018 | 0.0077
TErost's ) | 0.013 0.001 | 0.00086
ESPRIT
&g (degreesy | 0.140 | 0.042 | 0.042
&y (degrees) | 0.0188 | 0.014 0.010

With the LMS algorithm, according to the Table 7,
the execution time reduces while the value of SNR
increases, whereas the MUSIC and ESPRIT algorithms
keep on with similar characteristics to the preceding
cases. The error also shows a reduction with the increase
of SNR.

Finally, the Table 8 shows the analysis of the
performance using the RLS algorithm. It is possible to
see a pronounced reduction of the runtime when SNR
changes from 5 dB to 10 dB. The error follows the
expected behavior, with a reduction of its value when the
DOA ESPRIT algorithm is employed, with the increase
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of SNR. When the MUSIC algorithm is used, the error
remains constant.

Table 7: Variation of the runtime and estimation error
with SNR using LMS algorithm

SNR
5 10 15
Tyusic ® | 5.35 5.37 5.46
MUSIC| Trms ® 0.020 0.007 0.002
&€ (degrees) 0.302 0.302 0.302
z £yeees) | 0305 | 0305 | 0.305
w2
TespriT( | 0.0095 | 0.0012 | 0.0011
Trms | 0.0054 | 0.0050 | 0.0046
ESPRIT
&€ (degrees) 0.203 0.042 0.02
& (degrees) 0.090 0.045 0.024

Table 8: Variation of the runtime and estimation error
with SNR using the RLS algorithm

SNR

5 10 15

Tyusic © | 5.82 5.75 5.71

MUSIC| Tres © | 0.0163 | 0.0070 | 0.0161
£ @eee | 0302 | 0302 | 0.302

< Ey@emees) | 0.305 | 0.305 | 0.305
7 Tesprir® | 0.00181 | 0.00180 | 0.0015
Tres © | 0.0101 | 0.01 | 0.01

PRI e | 02294 | 0.0378 | 0.0972
Eyezees) | 0.156 | 0.031 | 0.01

Globally, is noted that the tendency related to
beamforming algorithms is the increase of its execution
times from the statistically optimum to each of the
adaptive ones. The DOA algorithms present consistent
results, with a reduction of estimation error with the
increase of SNR, taking into account that with MUSIC
algorithm a compromise between error and runtime must
be done.

Using a considerable number of experiments, a
statistical analysis of this performance of each algorithm
can be done. This estimate was based on a sequence of
50 experiments, and the graphical analysis is performed
in the next figures.

The Fig. 14 shows the runtime of the LCMV
algorithm over the number of the #» experiments. Despite
a couple of experiments presents a more accentuated

variation, the mean execution time is about 6.2x107*

seconds (0.62 msec).
The Frost’s algorithm execution time is displayed in
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the Fig. 15. This algorithm presents a mean value of the
5x107* seconds (0.5 msec), that although is an adaptive
algorithm presents a better result than the previous one.

t
—lemy
esprit

131 —==Mmeant 1
lemv
esprit

LCMV time (s)

—trost
esprit

10«[‘ - = = Mean thost ol
esprit

©

FROST time (s)

Fig. 15. Execution time of Frost’s algorithm.

Using the LMS and RLS algorithms, the used
runtime over the experiences are indicated in the Fig. 16
and Fig. 17. The execution times are respectively

2.8x107 seconds (2.8 msec) and 7.6x107 seconds (7.6
msec).

Along the n experiences, the runtimes of the two
DOA estimation algorithms are displayed in graphical
form in the Fig. 18. The upper part includes the values
relating to the MUSIC algorithm, while the lower part is
concerning to the ESPRIT algorithm. In both the graphs
are identified the line of the average time of the various



samples.

Immediately, it is possible to note the huge
difference in the time it takes to perform the MUSIC
algorithm compared with the ESPRIT. The MUSIC
algorithm takes » samples during 5 to 6 seconds each
one, presenting an average execution time of 5.54
seconds as shown in Fig. 18. Much less time requires the
ESPRIT algorithm, ranging between 1 and 2 milliseconds
as the figure shows, with an only sample with a peak
reaching 3.5 msec, and the overall average execution
time 1.57 msec.

The last parameter that is possible to examine is the
estimation error, between the real coordinates (6,¢) of

the incoming waves, and the estimated position
determined by the two dimensional DOA algorithms,
MUSIC and ESPRIT.

In the Fig. 19, there are exposed the evolution of the
estimating error over the n experiences. The superior
graph is relating to the coordinate @, while the bottom

is about the ¢. In each parts are present the error using

the two algorithms of DOA, and further the line of mean
of the error. As is possible to see, using the MUSIC
algorithm the estimation error have a constant effect,
with a mean error of 0.302° in theta and 0.3052° in phi.
The ESPRIT algorithm present mean errors much lower,
0f 0.037° in theta and 0.015° in phi coordinates.

The ESPRIT error is due to the mathematical
process and the noise added to the signal. On the other
hand, the MUSIC error is strongly due the evaluation
interval, as explained in the Fig. 20. The accuracy
depends on the number of points on its angle grid, more
points lead to longer computations. This is the main issue
of MUSIC, and the number of points must be a
compromise depending on the required accuracy and
computational load.

x10°

5 T T T T T T T T T T

—t s
esprit

- = = M€an tL

4.5~ Ms

esprit | |

LMS time (s)
w
o
T

25

Fig. 16. Execution time of LMS algorithm.
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Fig. 17. Execution time of RLS algorithm.
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Fig. 18. Execution time evolution of DOA algorithms
over n samples.
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Fig. 19. Estimation error in theta and phi coordinates
using each one of DOA algorithms (MUSIC and
ESPRIT).
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Fig. 20. Evaluation grid of MUSIC algorithm.

VI. DISCUSSION AND FUTURE
PROSPECTS

In this paper, the analysis of the main 2D algorithms
that are vital in a planar adaptive antenna system, the
direction of arrival and the beamforming algorithms, was
made.

The developed function to extract the peaks of the
MUSIC spectrum is very effective, allowing a correct
definition of the maxima values, and the corresponding
DOAs. In this work, the weights resulting of the
beamforming algorithms, in terms of amplitude and
phase, were tested in a simulated array. The intention
was to verify that the achieved radiation patterns in
electromagnetic simulator present the desired radiation
characteristics. About the performance of the algorithms,
the runtime of the DOA MUSIC is much higher than
ESPRIT, since the MUSIC algorithm must evaluate the
MUSIC function to each possible steering vector.

Also about estimating errors, the MUSIC presents
some limitations, since the accuracy of the angle results
of the interval of evaluating the function. A compromise
between the accuracy and the processing time is needed.
This fact is something important that is not addressed in
[24], so it’s a tradeoff to consider. In both DOA
algorithms, this error reduces with the increasing of the
SNR. The runtime of the beamforming algorithms
increases more in the adaptive due to the number of
snapshots processed.

The trends involve the use of new, and more
complex array topologies, such as three-dimensional
arrays, investing in the research of new techniques for
determining the DOA’s, adapted to them, such as in [25].
Furthermore, advances in beamforming techniques for
randomly distributed planar arrays [26], [27] have showed
an increased interest, with several applications, either in
small satellites or in arrays of sensors, with a non-
uniform distribution. Also, is expected the use of smart

ACES JOURNAL, Vol. 30, No. 8, August 2015

antennas in the 5" generation of mobile wireless systems
(5QG) using MIMO, in the millimeter wave frequencies.
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Abstract — A novel integrated Bluetooth and ultra-
wideband (UWB) antenna with single band-notched is
proposed in this paper. The operating frequency ranges
of the proposed antenna is 2.3 GHz - 2.56 GHz, 2.96
GHz - 5.11 GHz and 5.95 GHz - 11.44 GHz, which
covers Bluetooth (2.4 GHz - 2.484 GHz) and UWB (3.1
GHz - 10.6 GHz) band, besides the range of IEEE
802.11a WLAN (5.15 GHz - 5.825 GHz) with VSWR
less than 2. Its main part consists of a hexagonal
geometry, an L-shaped strip and two mushroom-like
electromagnetic band gap (EBG) cells. The performance
of the antenna is simulated and optimized by CST
Microwave Studio and the simulated results meet the
design requirements well.

Index Terms — Antenna, band-notched antenna,
Bluetooth, electromagnetic band gap (EBG), ultra-
wideband (UWB).

I. INTRODUCTION

In recent years, UWB systems have attracted a lot of
attentions  since the Federal Communications
Commission (FCC) released the frequency band from
3.1 GHz to 10.6 GHz for communication applications
[1]. Meanwhile, Bluetooth is a short-range wireless
technology that has been widely used in wireless
portable devices, cell phones, and other mobile devices.
Many papers focusing on ultra-wideband and Bluetooth
integrated antenna have been reported [2-6]. However,
over the frequency range of UWB, there are other
narrowband wireless communication systems, such as
IEEE 802.11a wireless local area network (WLAN),
operating in the range 5.15 GHz - 5.825 GHz. Therefore,
in order to avoid mutual interference, a stop band should
be designed to reject such used band. To solve the
problems, people have made lots of attempts. One
method is etching slots in the patch of the antenna or
ground [7-12]. The other method is adding parasitic
structures in antenna [13-15]. In recent years, the EBG
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structure is another choice to serve in the band-notched
antennas, which has the advantage of compact size and
good band-notched property [16-19].

Based on aforesaid studies, a novel integrated
Bluetooth and UWB antenna with single band-notched is
presented. It can cover the frequency bands of Bluetooth
and UWB antenna. In order to avoid interference from
IEEE 802.11a WLAN systems, two mushroom-like EBG
cells are loaded on both sides of the feeding line to
generate notch band. The notch band can be tuned by
changing the size of EBG cell. All the simulations are
carried out by CST Microwave Studio. The simulation
results reveal that the Bluetooth function can be easily
realized by adding an additional L-shaped strip and the
band-notched function can be realized by adding a pair
of EBG cells. At last, voltage standing wave ratio
(VSWR), radiation pattern characteristics, gain,
efficiency, and group delay of the proposed antenna are
presented and discussed.

II. ANTENNA DESIGN

The details of the proposed monopole antenna are
illustrated in Fig. 1. A patch is etched on an FR-4
substrate with a relative dielectric constant of &.= 4.4.
The dimension of the substrate is 36x42x1 mm?®. The
antenna constants a hexagonal pattern, an L-shaped strip,
two mushroom-like EBG cells, a rectangular ground
plane on the back side of the substrate and a 50 Q
microstrip line as feeding structure. The hexagonal
structure serves as an UWB antenna. The L-shaped strip
serves as Bluetooth antenna, which is integrated with the
UWB antenna. The two mushroom-like EBG cells are
used to achieve single band-notched characteristic,
loaded on the both sides of transmission line. L is the
length of EBG cell, and D is the distance from EBG cell
to transmission line.

The mushroom-like EBG cell we adopted has the
advantages in terms of simple structure and easy to
fabricate. In order to study the impact of the EBG cells

1054-4887 © 2015 ACES
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on the UWB element, we analyze the performance of
them by tuning the parameters L and D using CST
Microwave Studio. Figure 2 shows the simulation results
of VSWR with different values of L and D. Figure 2 (a)
indicates that center frequency becomes smaller with the
increasing of L when the value of D remains (0.3 mm).
And Fig. 2 (b) shows that the decreasing of D will lead
to wide and sharp band-notch when the value of D
remains (6.2 mm). In summary, band-notched
characteristic mainly depends on the size of the metal
patch and the distance between the metal patch and the
microstrip. The frequency center can be adjusted by
changing the length of patch, while the bandwidth can be
adjusted by changing distance from metal patch to
microstrip. Finally, the optimal parameters of L and D
are chosen to be 6.2 mm and 0.3 mm, respectively.

The design of the proposed antenna includes three
steps. First, a UWB antenna (without added L-shaped
and EBG cells) is designed, which operates from 3.3
GHz to 12 GHz (VSWR<2) in Fig. 3. Second, an L-
shaped strip is attached to one side of the UWB antenna
which serves as a resonance occurred at 2.4 GHz. At last,
the proposed single band-notched integrated antenna
(with added L-shaped strip and EBG cells) is achieved
by adding two EBG cells. It has a usable Bluetooth
passband about 260 MHz (2.3 GHz - 2.56 GHz) and a
notch band about 840 MHz (5.11 GHz - 5.95 GHz) with
the center frequency of 5.6 GHz. It is clearly observed
that the proposed antenna with added L-shaped strip and
EBG cells cannot change the property of ultra-wideband,
and we can add notch band by this approach easily.

A

_>1§<

(b)

Fig. 1. Structure of the proposed antenna: (a) top view,
and (b) side view (Units in mm).
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Fig. 2. Simulated VSWR with different: (a) L, and (b) D.
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Fig. 3. Simulated VSWR of UWB, UWB and Bluetooth,
and proposed single band-notched integrated antenna.



IT1. RESULTS AND ANALYSIS

For better understanding of the proposed antenna
behavior, the current distributions on the integrated
antenna at 2.4 GHz, 5.6 GHz, and 8.5 GHz are presented
in Fig. 4. The current density is significantly high in L-
shaped strip as shown in Fig. 4 (a), which denotes that
the L-shaped strip resonates at 2.4 GHz. As shown in Fig.
4 (a) and (c), the current density is very low in EBG cells
at 2.4 GHz and 8.5GHz, while relatively high at resonant
frequency 5.6 GHz in Fig. 4 (b). At 5.6 GHz, the currents
mainly distribute in metal patches and few are coupled
to radiation patch. Therefore, the input power will be
prevented within the notch band. The current distribution
results confirm that the L-shaped and EBG cells are
relatively independent, and they have significant effect
on Bluetooth and band-notch performance separately.

Asm
96.8
81.3

57.7
48.3
27.4

. 17.8

N l_ 10.7

5.45

1.55

Afm
391
332

236

164

112
72.6
L43.7
22.2
6.33

A/m
55.8
46.6

33.1
23.1
15.7
108.2
6.13
3.12
0.889

Fig. 4. Simulated current distribution at frequencies of:
(a) 2.4 GHz, (b) 5.6 GHz, and (c) 8.5 GHz.
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The co-polarization and cross-polarization radiation
patterns of the proposed antenna in both E- and H-planes
at three frequency points of 2.4 GHz, 6 GHz, and 10 GHz
are shown in Fig. 5. The antenna is design in x-y plane,
and the maximum radiation direction is along the y-axis.
As shown in Fig. 5, the values of co-polarization is
bigger than the values of cross-polarization in E-plane,
and the values of cross-polarization are all less than -10
dB. In H-plane, the values of co-polarization are also
bigger than the values of cross-polarization except the
point of 10 GHz. The radiation patterns of E-plane are
nearly figure-eight and H-plane are stable omni-
directional.

H-plane

90 10dB
60

E-plane

120

(b)

90 10dB
60

(©)

—— co-polar
—— cross-polar

Fig. 5. Simulated radiation patterns of the proposed
antenna at: (a) 2.4 GHz, (b) 6 GHz, and (c¢) 10 GHz.

The simulated antenna gain is shown in Fig. 6. It
varies approximately from 2.1 dB to 5.5 dB over the
operating frequency range, and decreases to -0.18 dB at
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5.6 GHz. It also can be seen from the figure, the gain
below 7 GHz is less than the value of above, which is
because the wavelength gets longer below 7 GHz. By
comparison, the size of the UWB element is small
relative to the wavelength. The simulated radiation
efficiency varies from 55% to 97% over the operating
frequency range of the proposed antenna, and drops to
11% at center frequency of WLAN band, as shown in
Fig. 7. The trend is consistent with the gain. The value of
the group delay simulated by CST is mainly between 0
ns and 1 ns, which is nearly constant besides 2.4 GHz
and 9.5 GHz in Fig. 8.

At last, the proposed antenna and the other antennas
cited in this paper are compared in Table 1. From the
table, the antenna proposed in this paper not only can
work in the UWB and Bluetooth bands, but also has the
advantages of good WLAN band ranges and gain.

Gain [dB]

q I i I i i i i I i
2 3 4 5 6 7 3 9 10 1 12
Frequency [GHz]

Fig. 6. Simulated gain of the proposed antenna.

Table 1: Performance comparison
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Efficiency [%]

Frequency [GHz]

Fig. 7. Simulated efficiency of the proposed antenna.

[ e S B

Group Delay [ns]

2 3 4 5 6 7 8 9 10 11 12
Frequency [GHz]

Fig. 8. Simulated group delay of the proposed antenna.

Antennas Dimensions & of Operating WLAN Band Gain Except
(mm?) Substrate Bands Ranges (GHz) | WLAN Band (dB)
This paper 36x42x1 4.4 Bluetooth and UWB 5.11-5.95 2.1-5.5
A in Ref. [6] 42x46x1 4.4 Bluetooth and UWB 5.2-5.8 2.8-7.2
B in Ref. [6] 42x46x1 4.4 Bluetooth and UWB 5.2-5.8 2.8-6.6
Ref. [10] 24x28x1 2.65 UWB 4.65-6.4 3-6
Ref. [11] 25x30%0.8 4.4 UWB 5.17-6.14 2.7-6
Ref. [16] 38x40x1 4.4 UWB 5.2-5.9 1.5-4.5
Ref. [17] 30x32x1.6 4.4 UWB 5-5.9 2-6.9
IV. CONCLUSION microstrip line, a notch band from 5.11 GHz to 5.95

A compact and planar Bluetooth and UWB antenna
with single band-notched is presented. On the basis of
ultra-wideband, we add Bluetooth function by
embedding an L-shaped parasitic strip. Hence, the
antenna can operate on both Bluetooth and UWB
frequency range for VSWR<2. Through adding two
simple mushroom-like EBG cells on both sides of the

GHz is generated to suppress the interference of IEEE
802.11a WLAN. The simulation results show that the
proposed antenna with a compact size, simple structure,
good WLAN band-notched characteristics, and wide
bandwidth can be a good candidate for UWB
application. Therefore, the results of the work are useful
for short-range wireless communication systems.
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Abstract — In this paper have been developed two new
Vivaldi antenna for UWB application at 2-18 GHz with
SIW structure for linear phase center labeled as antenna
I and antenna II. The proposed antennas have high gain
and directional patterns with symmetric radiation
pattern in phi=0 and phi=90 planes. The SIW structure
is combined with Vivaldi antenna in order to improve
the gain, pattern and phase center linearity. Similarly,
for gain improvement at lower frequencies for SIW
antenna and with less divergence in the gain, slots with
comb models are proposed. The prototype antenna is
printed and fabricated on Roger 4003 with er = 3.45
and thickness of 1.5 mm. The antenna’s total dimension
is 120 mm X 160 mm. The simulation and experimental
VSWR and the gain of antenna I and II is less than 2.5
and 6 dBi - 15 dBi, and 2.4 for 2.17-18 GHz and
8.2 dBi - 15.5 dBi in the entire frequency range of
2-18 GHz respectively. Likewise, the Vivaldi antenna
phase center is investigated and finally the linear
characteristic of the antenna phase center is presented
with linear variation.

Index Terms — Substrate integration waveguide, UWB,
Vivaldi antenna.

I. INTRODUCTION
Nowadays, broadband systems are designed for
faster communication and more data transfer, so it is
required to design ultra-wideband (UWB) and
multiband antennas in order to support all protocols of
wireless applications [1-2]. UWB radio is a
transmission technology that is based on short pulses,
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and this technology usually covered more than several
GHz. UWB systems because of their wide bandwidth
and economics advantages have been used in
communication systems, radio communication, and
medical imaging such as breast cancer radar [3-4]. All
the above-mentioned applications require small sized,
easily feed and low cost antennas. Microstrip compact
antennas can be used in mobile communication,
WLAN, radar and microwave imaging systems [5-6].
Microstrip circular, elliptical, and spiral models of
patch antenna are being used for designing UWB
structures for omni directional applications. CPW
circular patches and small ground are two methods,
which are used for increasing the antenna impedance
bandwidth [7-8]. However, the circular and elliptical
CPW (coplanar waveguide) patch has a semi omni-
directional pattern and cavity back spiral antenna have
limited gain. Therefore, it is proposed to design new
UWB antenna with high gain and directive pattern. For
this reason, some types of quasi Yagi and Log periodic
antennas with high gain and directivity have been
introduced up to now. On the other hand, Vivaldi
antennas are much more noticed than other types of
directional antennas because of its advantages such as
improved inner band characteristic, large bandwidth,
good directional radiation pattern in the entire
frequency band, favorable symmetrical end-fire
radiation characteristic and high gain in the central
frequency band [9-11]. Too many models of Vivaldi
antennas are being considered in many researches and
they divided this antenna into different groups such as
antipodal and tapered slot Vivaldi. All types of Vivaldi

1054-4887 © 2015 ACES
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antenna have sufficient gain and bandwidth for radar
application and they also use for breast cancer
thermotherapy and microwave imaging [12-18]. Phase
center is the point which the electromagnetic radiation
spreads spherically outward, which the phase of the
signal being equal at any point on the sphere. In the
proposed antenna, the phase center Vivaldi antenna is
investigated and linear characteristic of the antenna
phase center is presented. The phase center location of
antennas is important for pulse transmission/reception,
as the movement of the phase center will distort the
signal. The most conventional method for finding phase
center is measuring the phase pattern of the antenna
under test (AUT) [16]. The position of the antenna
phase centre is not necessarily the geometric centre of
the antenna. The phase centre is defined as the apparent
source of radiation. If the source is ideal it would have a
spherical equiphase contour, but the real case is slightly
different, because the equiphase contour is irregular and
each segment has its own apparent radiation origin.
Phase center distance from antenna shows the radius of
curvature in the equal-phased polar plot and it uses to
calculate the phase center [17].

In this paper, a combination of Vivaldi antenna
with SIW structure is presented. The Vivaldi antenna is
known as antenna with UWB characteristic and
directional pattern. In this article by using SIW
structure we are able to control the field distribution on
the surface of the antenna in order to achieve higher
gain with symmetric radiation pattern. Antenna I has
high gain and directional pattern with symmetric
radiation pattern in phi=0 and phi=90 planes.

II. ANTENNA DESIGN

Figure 1 shows the two prototypes, Vivaldi antenna
and fabricated antenna. It was designed and fabricated
on Roger 4003 with relative permittivity of 3.45 and
loss tangent of 0.0027. Thickness of the substrate is
1.5 mm. The antenna is connected to 50 Q tapered feed
line. L and W are the antenna dimensions and they are
160 mm and 120 mm respectively. The antenna
contains two slant rows of via with diameter of 0.6 mm.
These vias have connected both sides of antenna
together. Table 1 shows the antenna dimensions for
both antennas.

Usually a Vivaldi antenna was introduced by
exponential equations and exponentially tapered slot
antenna was called Vivaldi antenna [18]. Therefore, it
can be defined by equation (1). The maximum and
minimum opening widths are calculated based on
equations (3) and (4) respectively [19]:

y=cleRz+cz, (1)

2
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Fig. 1. The prototype Vivaldi antenna: (a) simple model
of Vivaldi antenna with SIW, (b) Vivaldi antenna with
comb slots, and (¢) fabricate antenna.

Table 1: Geometrical parameters of proposed antenna

Parameter mm
a 70
b 2.6
c 110
d 10
e 32
f 20
g 84
h 40
i 48.7
L 160

W 120

II. SIMULATION RESULT
As previously mentioned, two different full wave
methods, FEM and TDM are employed for simulation
of the prototype antenna. VSWR comparison between
HFSS and CST with experimental results of antenna I
and II is presented in Fig. 2 (a). As it can be seen in Fig.
2 (b), the VSWR is less than 2.4 but it is mostly less



than 2 for the entire frequency range of 2-18 GHz.
Figure 2(a) shows the VSWR of the Vivaldi antenna
with comb slots. The VSWR of antenna II is typically
under 2.5 for the entire frequency of 2-18 GHz. Figure
2 (c) shows the antenna VSWR simulation for 2-50
GHz, and in Table 2 highlights that in [22] with lower
profile frequency range of 6-50 is approachable, so here
with size incensement lower is frequency available for
prototype antenna without any resistive element. In
addition, the feed line effect on the bandwidth of the
antenna is studied. As shows in Fig. 2 (d), the feed
width in junction to Vivaldi (i) is an effective factor in
antenna bandwidth. For difference value of (i), we have
compared the antenna VSWR at range of 2-18. For this
aim =40, 50, 60 mm is checked and best result is
obtained for 50 mm.
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Fig. 2. The simulated and measured VSWR: (a)
simulated VSWR by CST for comb slot Vivaldi
antenna, (b) simulated and experimental VSWR for first

antenna, (c) antenna VSWR simulation 2-50 GHz, and
(d) feed line effect on antenna VSWR.

Table 2: Comparisons between current models with
previous research
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Parameter | Prototype Ref. Ref. Ref.
Model (20) (21) (22)
Bandwidth | 2-18 GHz |1-15 GHz |6-18 GHz |6-50 GHz
Gain (dBi) 8-14.9 8-13 6.8-11.6 6.5-16
Efficiency | 73-95.6% | --------- 93-96% | 94-98%
HPBW 40°to 70° |24° to 49° |20° to 80° [24°to 71°
Size (mm) 120x160x | 80x140x | 50x101x | 64x48x
1.6 0.5 1.5 0.78

Figure 3 shows the radiation pattern of the
prototype of antenna I for four samples in different
frequencies at phi=0 and phi=90 for cross- and co-
polarization at 2 GHz, 6 GHz, 10 GHz, 14 GHz. As
shown in Fig. 3, the antenna patterns for all frequencies
are relatively symmetrical. A symmetrical pattern is
needed for decreasing the antenna detecting error.
Indeed, this symmetrical pattern is very important in
identification systems, such as passive radar and
microwave imaging for breast cancer detection. In
addition, the antenna gain is between 6 dBi and 14.8 dBi
and in comparison to other types of the Vivaldi
antenna; the prototype antenna has higher gain. As
shown in Fig. 3, the half power beam width for 2 GHz
occurs around 70° and it reduces to 40° as the frequency
increases to 18 GHz.
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Fig. 3. The prototype antenna pattern for phi=0 and 90:
(a) 2 GHz at phi=0, (b) 2 GHz at phi=90, (c) 6 GHz at
phi=0, (d) 6 GHz at phi=90, (e) 10 GHz at phi=0, (f) 10
GHz at phi=90, (g) 14 GHz at phi=0, and (h) 14 GHz at
phi=90.

Figure 4 shows the gain and the efficiency for both
antennas [ and II in the entire frequency range of
2-18 GHz. The simulated realized gain of antenna I is
6.06 dBi to 14.9 dBi and it is compared with the
experimental result in which a good agreement is
achieved. Similarly, the simulated realized gain of
antenna II is 7.98 dBi - 14.9 dBi. It can be seen that the
comb slot has enhanced the gain of the antenna since
antenna II has demonstrated higher gain than antenna I
in the lower frequency of the antennas.

Actually, the Vivaldi antenna in combination with
SIW technology helps to increase the gain and
efficiency of the antenna at 2 GHz but at higher
frequency, some reduction of the gain and efficiency
can be observed. The antenna’s efficiency simulated
with CST has been presented in Fig. 4 for both
antennas. As shown in Fig. 4, the efficiency is between
80% to 91% at 2 GHz - 18 GHz for antenna I, while
antenna II the efficiency is between 73% to 95.6%. The
efficiency is reduced suddenly at 5 GHz to 80% and
73% for antenna 1 and II respectively, due to
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mismatching as shown in the respective VSWR results
for both antennas.
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10 | ——CST gain of first antenna L2
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frequency(GHz)

Fig. 4. The prototype antenna gain simulation and
experimental for 2-18 GHz and antenna efficiency
simulated with CST.

Phase center of antenna has important performance
in the time domain. The width of transmitted impulse is
about several hundreds of nanoseconds, therefore small
change in phase center influences the far field wave
dispersion [16]. The phase center for H-plane is
calculated in phi-plane. Figure 5 shows the prototype
Vivaldi antenna phase center for H-plane. It can be seen
that as the frequency increases, the phase center will
increase from 9 mm to 109 mm in a linear manner. By
comparison of both antennas, it shows the comb slot
despite of its effect on gain and efficiency has less
effect on antenna phase center.

120 4

—Antenna | y

100 -

80 -

60 -

40

Phase center{mm)

20 -

0 T T T T T T T !
2 4 6 8 10 12 14 16 18
frequency( GHz)

Fig. 5. The prototype Vivaldi antenna phase center for
H-plane.

In order to achieve symmetric patterns, it is
required to significantly reduce the H-plane beam
width, and in here, SIW structure is used for
modification of the beam width. Additionally, Vivaldi
antennas have an unacceptable phase center variation in
the H-plane [16], which may not have significant



effects in pulse transmission, but do cause a noticeable
error in the high precision localization applications (as
indicated in [16]). However, by implementation of
linear phase center, the prediction of localization
became possible when localization in directional
finding application is based on phase calculation.

IV. CONCLUSION

The VSWR of the antenna is less than 2.3 for 2-18
(up to 50) GHz frequency range, and in this range, the
antenna gain is 6 to 15 dBi. The Vivaldi antenna phase
center is investigated and the phase center in the
prototype bandwidth for H-plane is checked. Finally,
the linear characteristic of the antenna phase center is
presented. By increase of the frequency, the phase
center will increase linearly from 9 mm to 109 mm.
Half power beam width for 2 GHz occurs around 70°
and will reduce to 40° at 18 GHz. In continue, comb
slot is used for gain enhancement. The gain of antenna
II is 8.2-15.5 dBi. Antenna I has high gain directional
pattern with symmetric radiation pattern in phi=0 and
phi=90 planes. The simulation and experimental results
are emphasized that the SIW structure combination
improved antenna gain and linearity characteristic of
phase center.
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Abstract — By introducing an asymmetrical-CSRR-
loaded parasitic patch beneath the radiating patch of a
traditional low-profile microstrip antenna, a novel
stacked antenna with both 22.46% fractional bandwidth,
and stable and uniform radiation patterns in the entire
operating frequency range is achieved, even the total
height is only approximate 0.044, (where 4 indicates the
free-space wavelength corresponding to the lower bound
of the operating frequency band). The antenna is
designed, fabricated and tested. The experimental results
agree with the simulations.

Index Terms — Low-profile antenna, microstrip patch
antenna, wideband.

L. INTRODUCTION

Low-profile microstrip patch antenna is one of the
most commonly used antenna types, due to its excellent
performance characteristics, including robust design,
low cost, easy integration with other microwave devices,
and so on. However, one typical low-profile microstrip
patch antenna in the basic form of a rectangle- or
circular-shaped conducting radiating patch in a grounded
substrate is inherently narrowband and is thus not able to
meet the requirements of most wireless communication
systems nowadays [1-3]. In order to increase the
operational bandwidth, a lot of effective approaches arise
to the date [4]. As one of the popular technologies,
parasitic patches were applied to place on the second
layer of patch antennas to design new stacked antennas.
This resort could create another resonance in conjunction
with the main resonance, which exploring wide overall
operational bandwidth. On one hand, by employing a
parasitic patch on the second layer with identical
configuration and with the electrical size close to the
main radiating patch, a wider operational frequency
range, which is contributed by two adjacent resonances,
i.e.,, radiating patch resonance and parasitic patch
inherent resonance, was accomplished [5]. On the other
hand, with the usage of a slotted parasitic patch on the
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second layer, the distributed LC circuit originating from
the slot introduces a second resonance, which could
combine the main patch resonance to widen the
impedance bandwidth [6]. While -effective, these
approaches witness a drawback that the addition of one
layer could produce only one resonance to do good to
bandwidth increase. Logically, one can anticipate that,
while maintaining the antenna’s low profile, more
resonances or wider bandwidth could be explored by
only applying more layers based on above stacked
antenna design technologies, which would significantly
increase the complexity in design and fabrication
process. In this letter, by introducing only one
asymmetrical-CSRR-slotted parasitic patch on the
second layer in a typical low-profile microstrip antenna
design, two other adjacent resonances are obtained
simultaneously to gain much wider operating frequency
range.

II. ANTENNA DESIGN AND
CONFIGURATION

The antenna configurations are presented in Fig. 1.
The antenna is constructed by two pieces of 0.018-mm-thick
copper, 1.6 mm FR4 substrate (¢=4.4, ©,=1.0, loss
tangent = 0.02) in sandwich stacking arrangement. And
two sheets are connected with two pairs of long
hexagonal plastic nuts and screws. In simulation, they
are modeled as vias/posts that pass slightly through the
substrates of both sheets, which are depicted in Fig. 1 (a).
As shown in Figs. 1 (b) and (c), a radiating patch with
modified configuration is designed on layer 1, which has
one rectangle slot (LsxWs) and one rectangle strip
(L3xW3). The rectangle slot is designed to make more
EM energy leaking from the complementary split ring
resonator (CSRR) slot resonance, in order to make high
overall efficiency from the slot resonance. The rectangle
strip on the other side of radiating patch is to provide
more tuning freedoms to accommodate the degradation
of impedance match characteristics due to the presence
of the slotted parasitic patch, instead of only tuning the

1054-4887 © 2015 ACES
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position of feed probe along the x-axis. In Fig. 1 (d), a
slotted parasitic patch is designed with the length L7 on
layer 2, which is determined a little lower than the
radiating patch (L,+L3). It could provide a little higher
and overlapping resonance frequency band to aid the
impedance bandwidth improvement. In order to avoid
shorting with the feeding probe (with the radius R4), a
larger hole (with the radius R3) on the parasitic patch is
constructed. Note that, the hole is a little offset from the
centre of parasitic patch. The offset could tune the
parasitic patch operating in good impedance match
performances. Moreover, a CSRR structure with
asymmetrical configuration, serving as an additional
near-field-resonant-parasitic (NFRP) element [7,8], is
placed offset from the centre of parasitic element
(Lio-Lo).

Layer1. ,— Post z
Layer 2. lﬁ Su?_s trate x Y

,Rd&i;ting patch

I*-s>l
(=

(©)

ACES JOURNAL, Vol. 30, No. 8, August 2015

(d)

Fig. 1. Patch antenna: (a) 3D isometric view, (b) side
view, (c) top view of layer 1, and (d) top view of layer 2.

It is worth pointing out that, the reason for designing
the CSRR with such asymmetrical configuration is that,
while maintaining the fundamental resonance frequency
(which is corresponding to the total electrical length) of
CSRR structure close enough to the two resonances from
the patches, the surface current around the slot structure
could be well induced to create a considerably wide
operating band to be overlapping with the other two
operating bands, thus widen the entire operating
frequency range. The determined geometry parameters
are as follows (in millimeters): hi=1.6, ho=1.6, h3=0.018,
Li=55, L,=14.55, Ls=2.2, Ls=1, Ls=16.35, L&=1.5,
L=14.2, Ls=23.45, Lo=5.475, L.=6.275, W;=60,
Wo=13, W3=6, W4=3.5, Ws=5, We=4, W;=17, R1=5.35,
R»=3, R3=1.4, and R4=0.65. And the arc-shaped gap
radian of the CSRR is 8= 0.36m. We note that, according
to our simulation investigation, tuning @ could not only
change the resonance frequency centre of CSRR, but
also shift the impedance characteristics in the entire
operating band.

II. EXPERIMENTAL RESULTS AND
DISCUSSION

The NFRP-based patch antenna shown in Fig. 1 was
fabricated and its performance characteristics were
obtained experimentally. The reflection coefficient of
the antenna was measured using an Agilent E8361A
PNA Vector Network Analyzer (VNA). The simulated
and measured |S;i| values together with the fabricated
prototype are depicted in Fig. 2. As anticipated from the
frequency domain ANSYS/ANSOFT High Frequency



Structure Simulator (HFSS) simulations, the antenna
operates from 4.115 GHz to 5.045 GHz (20.31%
fractional bandwidth), with three resonance dips located
at 4.230 GHz, 4.555 GHz and 4.955 GHz, respectively.
The measured results show that, it operates from 4.15 GHz
to 5.20 GHz (22.46% fractional bandwidth), with three
resonance dips located at 4.25 GHz, 4.655 GHz, and
5.12 GHz, respectively. Accordingly, the antenna total
height (h;+hy+2xhs), evaluated at the lower frequency
bound f;=4.15GHz, is 0.0444,, where /. is the free-space
wavelength corresponding to the lower frequency bound
(Ar=c/fr). Obviously, the measured results, together with
the full-wave simulations, show expected wide
impedance bandwidth with three resonance modes,
which are mainly from the radiating and parasitic
patches’ inherent resonances and the sub-wavelength
resonance from CSRR slot, respectively. A little lack of
agreement between the operating bandwidths of the
simulated and measured designs may be due to an air gap
between the two substrate layers which is absent in
simulations, and some other minor errors in the
fabrication, installation, and experimental process [9].
Moreover, acting as the reference antenna, one antenna
without parasitic patch is designed and its impedance
match is shifted to optimum (by only moving the
radiating patch position (Ls) from 15.35 mm to 18.35 mm
along x-axis). The refection coefficient is also presented
in Fig. 2 for comparison. Clearly, it could operate in the
centre of 4.14 GHz with |S|min < -20 dB and bandwidth
from 4.05 GHz to 4.24 GHz (only 4.58% fractional
bandwidth), as was expected [4]. Therefore, it could be
readily concluded from the comparison that, the addition
of the parasitic patch provides a little higher (only 2.5%
blue shift of the lower frequency bound) but much wider
impedance bandwidth (approximately 5 times fractional
bandwidth achievement).

350 ——Reference ant. (sim.)
—— NFRP-based ant. (sim.)
-40 - ----NFRP-based ant. (Exp.)
_45 1 1 K 1 1
3.5 4.0 4.5 5.0 5.5 6.0 6.5

Frequency (GHz)

(2)
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(b)

Fig. 2. Simulated and measured input impedance
characteristics of two low-profile patch antennas: (a)
reflection coefficients (|S;i| values in dB), and (b) the
fabricated phototype in the chamber.

The far-field realized gain patterns were measured
in an anechoic chamber. The chamber is based mainly on
the Agilent EB362C PNA VNA and the SATIMO
passive measurement system. The corresponding
simulated and measured E- and H-plane total realized
gain patterns at three selected frequency points within
the operational bandwidth are shown in Fig. 3. In details,
the measured (simulated) peak realized gains are 4.96 dB
(5.0045 dB), 5.55 dB (4.9520 dB), and 2.61 dB (3.0523 dB)
at 4.25 GHz (4.23 GHz), 4.66 GHz (4.555 GHz), and
5.12 GHz (4.955 GHz), respectively. It is clear in Fig. 3
that, almost uniform radiation patterns and around 3 dB
peak realized total gain variations in both the simulation
and experimental results indicate its relatively stable
radiation performance characteristics. In addition, as is
observed in Fig. 3 (c), only a little asymmetry of main
radiation beam appears in the higher frequency range.
This phenomenon is ascribed to the asymmetrical CSRR
structure.
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Fig. 3. Simulated and measured total realized gain
patterns in the £- and H-planes at three frequency points:
(a) 4230 GHz in simulation and 4.25 GHz in
measurement, (b) 4.555 GHz in simulation and 4.66 GHz
in measurement, and (c) 4.955 GHz in simulation and
5.12 GHz in measurement.

To further study its radiation characteristics in the
entire frequency band, more simulated results are
presented in Figs. 4-5. Figure 4 gives its corresponding
realized gain patterns in zox (E)-plane and zoy (H)-plane
at the three resonance frequency centers. According to
the radiation patterns, it is obvious that the cross-
polarization is significantly higher than the traditional
patch antenna. This characteristic could make the
proposed antenna be advantageous for some special
applications, such as the indoor wireless communication
since it would lead to better transmission capability in
rich multipath environment [10-11]. On the other hand,
as is shown in Fig. 5, in such a wide operational
frequency range, the peak realized gain value fluctuates
in the range from 2.56 dBi to 5.25 dBi (2.69 dB
variation), and the radiation efficiency is varied from
45.1% to 67.9% (22.8% fluctuation).
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Fig. 4. Simulated realized gain patterns in the E- and
H-planes at three frequency points: (a) at 4.230 GHz, (b)
at4.555 GHz, and (¢) at4.955 GHz. Here, E-phi and E-theta
are indicated in solid and dashed lines, respectively.
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Fig. 5. Simulated peak realized gain and radiation
efficiency values as a function of frequency.

IV. CONCLUSION
A NFRP-based, low-profile, wideband stacked



microstrip patch antenna is introduced in this letter. By
introducing an asymmetrical-CSRR-loaded parasitic
patch on the second layer beneath the radiating patch of
a traditional microstrip antenna, a much wider bandwidth
(approximate 5 time achievement), and relatively stable
and uniform radiation patterns in the entire operating
frequency range, are both obtained. Measured
performance agrees well with simulation. The
performance is very advantageous for wideband and
low-cost stacked microstrip patch antenna designs on
future mobile terminals.
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Abstract — In this letter, a new ultra wideband monopole
antenna with frequency band-stop function is designed
and manufactured. The antenna contains a rectangular
ring radiating patch and a partial ground. In the structure,
by etching a Q-shaped slot on the ground plane, extra
resonance is excited and therefore more extended
impedance bandwidth can be achieved. In order to create
band-rejected function, a Q-shaped sleeve into the
rectangular ring patch and an inverted Q-shaped slot on
it and feed-line are used. The measured results depict that
the antenna is able to cover the bandwidth from 2.6 to
10.4 GHz for VSWR < 2 excluding the rejected bands
from 3.1 to 3.8 GHz and from 5.0 to 6.0 GHz. Acceptable
VSWR and radiation pattern characteristics are earned
on the frequency band of interest.

Index Terms — Notch band, stop band, UWB antenna.

I. INTRODUCTION

Ultra-wideband (UWB) technologies have attracted
noticeable attention since the FCC allocated the
frequency band of 3.1 GHz to 10.6 GHz for commercial
use in 2002. Different sorts of antennas have been
investigated for UWB systems, and among which
printed monopole antennas have been widely regarded
as an excellent candidate, since they are very compact in
size and can be easily integrated with RF circuits and
devices [1-2]. However, over the released UWB
operation bandwidth, there are some narrow bands
occupied by the existing wireless systems. Most notable
among them are the Wireless Local Area Network
(WLAN) and Worldwide Interoperability for Microwave
Access (WiIMAX), which operate with the center
frequencies of 5.2 GHz (5150-5350 MHz), 5.8 GHz
(5725-5825 MHz) for WLAN and 3.5 GHz (3400-3690
MHz), 5.5 GHz (5250-5850 MHz) bands for WiMAX.
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Therefore, the potential electromagnetic interference
(EMI) problems should be paid much attention.
Recently, numerous band-notched UWB antennas have
been investigated and reported, which can reject the
certain band within the ultra-wide passband without
mounting additional bandstop filters [3-9]. Although, the
set of these antennas are designed to generate only one
notched frequency band so that just one narrow band of
disturbance can be eliminated. Consequently, these
antennas are still open to other potential disturbance
from neighboring RF systems. In this paper, a monopole
antenna with band-notched characteristics for UWB
applications is proposed. By utilizing a series of new
techniques on radiating patch and ground plane, wide
band and band-notched UWB characteristics can be
resulted. The practical prototype was implemented and
tested, and the measured results show a suitable
agreement with the simulated ones. Details of the
antenna design and parameter study are presented and
discussed as follows.

II. ANTENNA DESIGN

The geometry of the antenna is shown in Fig. 1. The
antenna is fabricated on a 22x15 mm? FR4 substrate with
thickness of 1 mm and relative permittivity er = 4.4. The
antenna contains a rectangular ring radiating patch and a
partial ground. As shown in Fig. 1, to obtain desirable
impedance bandwidth, a Q-shaped slot is etched from
partial ground plane symmetrically and in order to
achieve the lower notched band at centre frequency of
3.5 GHz, a Q-shaped sleeve is placed into rectangular
ring radiating patch. On the other hand, to earn the upper
stop band at center frequency of 5.5 GHz, an inverted
Q-shaped slot is etched on both patch and feed-line. The
radiating patch is connected to a 50-ohm microstrip line
with width and length 1.9 mm and 7.5 mm, respectively.
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The whole antenna is optimized by the electromagnetic
simulation software of Ansoft High Frequency
Simulation Structure (HFSS) based on the finite element
method (FEM) [10], and values of some optimized
parameters are shown in Fig. 1. The next section is
related to the antenna design process and the effect of
various parameters on VSWR.
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Fig. 1. Geometry of the proposed antenna (dx=1.8 mm,
dy=3 mm, dxI1=1.1 mm, dyl=9 mm, dx2=1 mm, and
dy2=7.7 mm).

III. ANTENNA PERFORMANCE AND
DISCUSSION

In this section, the rectangular monopole antenna
with various design parameters were constructed, and the
numerical and experimental results of the input
impedance and radiation characteristics are presented
and discussed. The parameters of this proposed antenna
are studied by varying one parameter at a time and fixing
the others. As shown in Fig. 2, the simulated reflection
coefficient loss characteristics for three antennas with
different ground structures are presented. Regarding to
it, Ant. 1 (primary monopole square antenna) has an
impedance bandwidth from 3.2 to 9.15 GHz, while Ant.
2 with an inverted T-shaped slot on the ground plane
increases the bandwidth from 3.15 to 9.6.

By replacing the Q-shaped slot instead of the
inverted T-shaped slot on the ground plane in Ant. 3, a
considerable resonance is created at 10.4 GHz which
improves impedance bandwidth from 3.15 to 10.7 GHz.
As far as Fig. 3 is concerned, simulated reflection
coefficient characteristics of the antenna are depicted for
different values dx where dy is constant (dy=3 mm). On
the other hand, the effect of varying parameter dy on
reflection coefficient characteristics where dx is constant
(dx=1.8 mm) has been studied in Fig. 4.
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Fig. 2. The comparison of simulated reflection
coefficient characteristics of the various antenna
structures.
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Fig. 3. Simulated reflection coefficient characteristics of
the antenna with a Q-shaped slot on the ground for
different values of dx where dy is constant (dy=3 mm).
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Fig. 4. Simulated reflection coefficient characteristics of
the antenna with a Q-shaped slot on the ground for
different values dy where dx is constant (dx=1.8 mm).
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From Fig. 3 can be concluded that the upper
frequency of the impedance bandwidth is affected by
using the Q-shaped slot on the ground plane, and also by
optimizing it, additional third resonant frequency is more
excited. Meanwhile, the upper-edge frequency of the
impedance bandwidth is decreased from 11.8 to 9.8 GHz
with increasing value dx from 1.0 to 2.2 mm. Therefore,
the optimized dx is 1.8 mm.

It can be found out that the effect of dy at the upper-
edge frequency of the impedance bandwidth is more than
dx. With regard to Fig. 4, the best value for dy is 3 mm.
As mentioned before, to obtain an UWB antenna with
notched band function, two new techniques are
employed including the Q-shaped sleeve into rectangular
ring radiating patch and the inverted Q-shaped slot on
both patch and feed-line. The former for the lower
notched band at center frequency 3.5 GHz, the latter for
the upper notched band at center frequency 5.5 GHz. As
illustrated in Fig. 5, the VSWR characteristics for four
different antenna structures indicating design procedure
are compared to each other. As it is apparent in Fig. 5,
Ant. I was optimized and it led to a desirable impedance
bandwidth. With comparison Ant. II and III, by adding
the Q-shaped sleeve into rectangular ring radiating
patch, firstly the bandwidth is improved and secondly the
desirable lower notched band at center frequency of 3.5
GHz is produced. Furthermore, with etching an inverted
Q-shaped slot on both of the patch and feed-line in Ant.
IV as compared to Ant. III, another notched band on the
upper band at center frequency 5.5 GHz is appeared.
There is an interesting point to note that, two notched
bands are exactly independent from each other which
means that by emerging the second notched band, the
first one has not been shifted.
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Fig. 5. The comparison of simulated VSWR

characteristics of the various antenna structures.

Figure 6 exhibits that simulated VSWR
characteristics of the antenna for different values of dx1
has a direct effect on the control of central frequency of
the lower notched band. In other words, the center

ACES JOURNAL, Vol. 30, No. 8, August 2015

frequency is decreased from 3.8 GHz to 2.8 GHz with
increasing dx1 from 0.5 mm to 2.9 mm. Since by shifting
the lower notched band, the upper notched band is nearly
station, therefore two notched bands are controllable and
independent. Regarding to desirable notched band (3.3-
3.69), the best value of dx1 is 1.1 mm.
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Fig. 6. Simulated VSWR characteristics of the antenna
for different values of dx1 where value of dyl is constant
(dy1=9 mm).

As mentioned before, to achieve notched band at
center frequency 5.5 GHz, an inverted Q-shaped slot has
been etched on both of the patch and feed-line. Figure 7
depicts the simulated band-rejected feature with varying
dy2 where dx2 is constant (dx2=1 mm). As shown in Fig.
7, tuning the length of the slots can achieve a controllable
center-rejected frequency range from 5 to 6 GHz for the
second notched band. Figure 7 also demonstrates that
dy2 is a key factor to control the rejected VSWR value.
As length of dy2 of the slots increase from 5.7 to 8.7 mm,
the central frequency of the notched band is varied from
7.2 to 4.8 GHz. The acceptable value of dy2 is 7.7 mm.
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Fig. 7. Simulated VSWR characteristics of the antenna
for different values of dy2 where value of dx2 is constant
(dx2=1 mm).



To understand the phenomenon behind this dual
stop-band function, the simulated current distributions
on the radiating patch at both 3.5 GHz and 5.5 GHz are
depicted in Fig. 8. It can be found out from Fig. 8 that, at
frequency 3.5 GHz the greatest current is concentrated at
around of the Q-shaped sleeve into rectangular ring
radiating patch, while at 5.5 GHz it is focused at around
the inverted Q-shaped slot. All of them consequently end
up the acceptable VSWR within both notched bands.
This is apparent from Fig. 8 that the Q-shaped sleeve and
the inverted Q-shaped slot are responsible for the first
and second notch band, respectively. The proposed
antenna has been implemented based on the dimensions
presented in Fig. 1. It also was tested in the Antenna
Measurement Laboratory at Iran Telecommunication
Research Center. The VSWR of the proposed antenna
has been measured using an Agilent E8362B network
analyzer in its full operational span (10 MHz - 20 GHz).
The simulated and measured VSWR of the fabricated
antenna are also depicted in Fig. 8. The fabricated
antenna are able to cover impedance bandwidth from 2.6
to 10.4 GHz for VSWR <2 with two notch bands around
3.1 to 3.8 GHz and from 5.0 to 6.0 GHz. As exhibited in
Fig. 8, there exists a discrepancy between measured data
and the simulated results, and this could be due to the
effect of the SMA port. The photo of fabricated antenna
is apparent in Fig. 9. To confirm the accurate reflection
coefficient characteristics for the designed antenna, it is
recommended that the manufacturing and measurement
process need to be performed carefully.
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Fig. 8. Measured and simulated VSWR for the antenna
and current distribution at both central frequencies of
notched bands 3.5 and 5.5 GHz.
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Fig. 9. Photograph of the fabricated antenna.

Figure 10 illustrates the measured radiation patterns
of the proposed antenna with notched bands at
frequencies of 4.5 and 7 GHz in E-plane (yz-plane) and
H-plane (xz-plane). It is distinctly revealed from the
figure that H-plane patterns are purely omni directional
at all frequencies, while the E-plane patterns similarly
exhibit the expected monopole-like behaviors. Figure 11
shows the measured maximum gain of the proposed
antenna with and without notched band. A sharp
decrease of maximum gain in the notched bands at both
3.5 GHz and 5.5 GHz are shown. For other frequencies
outside the notched frequency band, the antenna gain
with the slot is similar to those without it.

Y-Z plane X-Z plane

co-polar
cross-polare— .

— Fr=7Ghz

co-polar @ @00 -.._
cross-polar.-._._Fl'—4.5GHz

Fig. 10. Measured radiation patterns of the proposed
antenna at 4.5 and 7 GHz.
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Fig. 11. Maximum gain comparisons for the ordinary
square antenna (without notched band), and the proposed
antenna (with notched band).

IV. CONCLUSION

A new ultra wideband monopole antenna with
frequency band-stop function has been presented. The
desired band-rejected property is achieved by
embedding a Q-shaped sleeve into a rectangular ring
radiating patch and etching an inverted Q-shaped slot on
it. Experimental and measured results reveal the dual
notched bands can be tuned flexibly and independently.
The measured results depicted that the antenna is able to
cover the bandwidth from 2.6 to 10.4 GHz for VSWR <
2 excluding the rejected bands from 3.1 to 3.8 GHz and
5.0 to 6.0 GHz. Acceptable VSWR and radiation pattern
characteristics are earned on the frequency band of
interest.
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Abstract — This paper describes a compact printed
Quasi-Yagi antenna for ultra high frequency (UHF)
radio frequency identification (RFID) reader that can be
used in both Europe and US regions. The proposed
antenna is a Yagi type structure with a microstrip-to-
coplanar stripline transition, a meander dipole, a folded
finite-size ground plane and a rectangle ground plane.
The proposed antenna has compact size (0.181x0.241).
The proposed antenna has an endfire radiation pattern
within operation bandwidth, with peak gain values of
more than 3 dBi and return loss is less than -10 dB in
approximately 100 MHz band that can cover European
and US RFID bands (860 MHz - 960 MHz). We described
the antenna structure and presented the comparison of
simulation results with experimental data. Good return
loss and radiation pattern characteristic are obtained,
measured results are presented to validate the
usefulness of the proposed antenna structure for RFID
reader.

Index Terms — Endfire radiation pattern, gain, Quasi-
Yagi antenna, RFID reader.

I. INTRODUCTION

In recent years, radio frequency identification
(RFID) in the UHF band (860-960 MHz) has become
popular in many applications. These applications
include supply chain management, automatic retail item
management, warchouse management, access control
system, electronic toll collection and etc. [1]. Many
typical RFID tags have been studied [2-4]. For
applications, the RFID handheld reader plays an
important role owing to its advantages of compactness,
flexibility and maneuverability. The antenna design in a
RFID handheld reader should fulfil several unique
requirements [5]. One of the important considerations is
the size, weight and shape. The broadband antenna
designs to cover total frequency span of the UHF band
for RFID applications. Several RFID antennas have
been reported [6,7]. The size of the broadband antennas
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are bulky and not suitable for handheld or portable
reader applications. Antenna development for RFID
applications has focused on the size reduction and
wideband performance to cover multiple service at the
same time [8]. Also, wideband antennas for RFID
system has been reported [9,10]. But these antennas are
too large and not suitable for the RFID handheld
antenna. The majority of devices have become small
and compact. Therefore, the compact antenna is more
important and practical. The antenna [11] has endfire
pattern and compact dimension for RFID handheld
reader, but the antenna can only cover narrow
bandwidth.

In this paper, the proposed antenna is compact and
still efficient to provide desired performance. The
antenna consists of a meander dipole, a microstrip-to-
coplanar stripline transition and a folded finite-size
ground plane which is optimized for the operation of
860 MHz - 960 MHz. The proposed antenna is compact
and can be easily fabricated. The performance of the
designed antenna is simulated using the simulation tool
HFSS v13. According to the measured results of the
proposed antenna, the antenna has well-defined endfire
radiation patterns and the gain of the presented antenna
is more than 3 dBi around Europe and US RFID bands
(860 MHz - 960 MHz).

II. ANTENNA CONFIGURATION AND
DESIGN

The configuration of the proposed Quasi-Yagi
antenna is shown in Fig. 1. The final antenna
parameters are optimized using the commercial
electromagnetic (EM) solver HFSS 13.0, and are given
in the Table 1. The proposed antenna is designed for
UHF RFID applications in North America and Europe.
Simple microstrip patch antenna is considered in
proposed design due to their numerous advantages such
as low profile, low cost easy to manufacture and easy to
integrate with other electronics. The length of the
driven dipole and reflector elements are optimized for

1054-4887 © 2015 ACES
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simultaneously achieving excellent input impedance
matching, and dipole arms are meandered to reduce the
occupied dimension. Unlike conventional Quasi-Yagi
antennas, here a reflector element is in close proximity
to the driven element, and is also meandered in
accordance with the outline of the dipole element.
Accordingly, in addition to the surface wave excited in
the substrate, in the proposed design the strong near-
field coupling between the driven dipole and the
reflector elements also helps improve the antenna
impedance matching over a wide frequency range.
Meander elements affect the resonant frequency of the
antenna. The antenna elements are bent into meander shape,
suitable for the handheld RFID reader. The antenna has
a high directional gain which results in the operating
range around the RFID bands (860 MHz - 960 MHz).
Both top and bottom ground planes, which serve as
reflectors in the design, keep the surface wave from
propagating towards the backward direction. With such
an arrangement, the backward-propagated surface wave
can be substantially bounced back and further facilitates
the endfire radiation.
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Fig. 1. The construction of the proposed antenna: (a)
the top layer, and (b) the bottom layer.
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Table 1: The dimensions of the antenna (in mm)

L L, Ly L; L4
100 9 7.09 30.8 54
L5 L6 L7 LS L9

7 6.6 11 44.1 40.7
Lio W Wi W2 W3
40 50 4.4 4.4 10.4
Wy W;s We W7 Wy
10.4 1.6 3 8 4.4
Wo Wio Wi - -

3 g 44 - :

All these eclements are shaped to fit into the
available footprint while maintaining their resonant
frequencies in the desired band. The lengths and shapes
of antenna elements and their mutual spacing are key
parameters in the design. The length of every meander
part of antenna is less than the wavelength of the central
frequency. So the transmission module of antenna is
equal to the dipole antenna with inductance. The
meander part of the proposed antenna balance the
negative imaginary part of the dipole antenna, and the
current distribution changed.

According to the transmission theory [14], the
input resistance of every meander part is:

Z,=jZ,tan(KL,)> ()
K=K, ,gre , K, is the wave numbers in free space.

&g, is effective dielectric constant. L, is the length of

the meander part.
The characteristic impedance of the meander part
is:

Z,= Qcosh’1 [Z} 2)
it

T

a is the distance among the every meander part. f is

the width of the meander part. n:Jﬂg is the

characteristic impedance. According to above
equations, the distance among meander lines, width of
lines, length of the meander lines can change the
impedance of antenna. So we can change these
parameters to design the proposed antenna. Antenna
design is tuned to achieve 50 ohm (RFID reader)
impedance without using any external matching circuit
that will occupy additional footprint.

For demonstration purpose in the laboratory, the
proposed antenna is designed on a 1.6 mm FR4
substrate with a dielectric constant e=4.4 and loss
tangent tand=0.02. The overall dimension of the
antenna is 50 mm x 100 mm, or equivalently roughly
0.18Ax0.24X. The finally chosen dimensions of the
proposed antenna are in Table 1.



1. SIMULATION AND MEASUREMENT

For ease of practical applications, important
parameters of the proposed antenna are studied.

One parameter is changed, while the other
parameters are kept as in Table 1. Figure 2 (a) shows
that the center frequency is decreasing while the length
of the meander dipoles, W3 varies in a range when it is
changed from 9 mm toll mm. Figure 2 (b) shows that
the center frequency is increasing while the width of the
meander dipoles, Ls, varies in a range when it is
changed from 6 mm to 8 mm.

A prototype is fabricated to verify the proposed
antenna design as shown in Fig. 3. All the measured
results are carried out in anechoic chamber using the
NSI300V-30X30 far-field measurement system and
Agilent N5230A series vector network analyzer. All
simulated results are obtained using HFSS (High
Frequency Structure Simulator) based on the finite-
element method (FEM) [12,13]. The antenna simulated
and measured S11 are shown in Fig. 4. The
measurement is taken by an Agilent network analyzer.
As shown in Fig. 4, the agreement between the results
is fairly good over the frequency band from 860 MHz
to 960 MHz.
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Fig. 2. Effects of varying driver mender dipoles, W3, Le.
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Fig. 3. Fabricated prototype of the proposed antenna: (a)
top layer, and (b) bottom layer.
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Fig. 4. Simulation and measurement Si;.

The simulated and measured center frequencies are
given by 896 and 909 MHz, respectively. The slight
frequency shift between the results can be mostly
attributed to the fabrication tolerance. The measured
XY-plane and XZ-plane radiation pattern at 860,
915 MHz are illustrated in Fig. 5, respectively. The
radiation patterns are measured in a 7x3x3 m® anechoic
chamber and the measurement is performed by an
Agilent network analyzer along with far-field
measurement software.
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In the measurement, the connecting cables along the
Bakelite support ware carefully shielded by absorbers
to reduce the multi-reflection interference. Meanwhile,
the simulated -10 dB reflection coefficient bandwidths
are from 850 MHz to 970 MHz and the corresponding
measurement data are given by 855 MHz - 963 MHz.
The experimental results demonstrate that the proposed
design completely complies with the stringent
requirement of impedance matching imposed on a
handheld reader antenna, and the operating bandwidth
with reflection coefficient better than -10 dB covers the
whole allocated spectrum for UHF RFID applications
in North America and Europe.

Figure 5 shows the comparison between the
simulated and measured radiation pattern at 860 MHz
and 915 MHz in the XY-plane and XZ-plane,
respectively, which shows good agreement. It is seen
that the proposed antenna has endfire radiation pattern
and a symmetrical radiation pattern across the operating
bandwidth and its maximum beam is always directed to
the +X-axial direction, which have great advantages in
practical applications. Radiation pattern can be
controlled by placement of radiation elements (director
and reflectors).
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Fig. 5. Simulated and measured radiation patters of the
proposed antenna: (a) XY-plane (860 MHz), (b) XZ-plane
(860 MHz), (c) XY-plane (915 MHz), and (d) XZ-plane
(915 MHz).

Referring to the Fig. 4, measured result can cover
the required frequency band. Figure 5 shows the
radiation patterns similar to conventional Yagi radiation
characteristics. The gain of proposed endfire antenna
reaches 3.6 dBi at 915 MHz and remains better than 3 dBi
over the whole UHF RFID band from 860 to 960 MHz.
By adding director elements can increase the front-to-
back ratio, but these will increase the dimension of the
antenna. The gain of the antenna was measured using
the gain comparison method [14], where the received
power of the antenna under test is compared with
known gain of a standard horn antenna. The simulated
and measured gain and efficiency are shown in Fig. 6,
variation between the simulated and measured gain is
within 0.2 dBi, and this may be due to higher dielectric
losses of the substrate, additional loss in the surface
roughness of the microstrip patch.

The measured bore sight gain is illustrated in Fig. 6.
Referring to Fig. 6, the antenna gain rises steadily from



3 dB at 860 MHz to 3.45 dBi at 960 MHz. The
efficiency of the proposed antenna rises steadily from
92% to 94%.
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Fig. 6. Simulated and measured gain in the +X direction
and efficiency.

IV. CONCLUSION

The compact printed Quasi-Yagi antenna for UHF
RFID reader has been presented, constructed and tested.
The proposed antenna is based on the conventional
printed Quasi-Yagi antenna, where half-wavelength
dipole driver element is replaced with two meander
dipoles. The input impendence of the folded dipole
Quasi-Yagi antenna and its resonance frequency can be
tuned by properly adjusting the parameters of the
mender dipoles giving freedom for optimization. The
proposed antenna is suitable for fabrication on low-cost,
low dielectric constant materials such as FR4. The size
of the antenna is 0.18Ax0.24A and suitable for UHF
RFID handheld reader. The measured results meet the
frequency bandwidth and gain requirements for RFID
reader applications. The proposed antenna is easy to
fabricate and suitable to be an attractive solution for

handheld reader in various production, asset
management, supply chain including item-level
applications.
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Abstract — In this paper, we present a new co-planar
waveguide (CPW)-fed slot antenna for wireless
communication systems. The proposed antenna is
fabricated on an FR4 substrate with dielectric constant
of 4.4. Configuration of the antenna structure is based
on S-shaped structures in both of the radiating stub and
ground plane where it operates over a very wide
bandwidth and improves the impedance matching. By
converting the S-shaped structure at the antenna
radiating stub, a new resonance at the lower frequencies
is generated, and also by converting the ground plane to
the modified S-shaped structure, a good multi-band
operation and bandwidth enhancement can be achieved.
The measured impedance bandwidth of the proposed
antenna for 10 dB return loss is from 1.04 GHz to
1.42 GHz and 1.88 GHz to 2.51 GHz, covering the
major wireless communication bands like GPS,
MDS/WCS, PCS, WiBro, Bluetooth, HiperLAN, and
etc. Simulated and experimental results obtained for
this antenna show that the proposed slot antenna has a
good isolation and radiation behavior.

Index Terms—  CPW-fed antenna, wireless
communication systems.
I. INTRODUCTION

Recently, microstrip slot antennas have been
largely used in a lot of useful applications, because of
their inherent characteristics of low cost, low profile,
ease of fabrication, light, weight, conformability and
integration with RF devices [1-2]. Operation in two or
more discrete bands with an arbitrary separation of
bands is desired in many applications, such as global
positioning system (GPS), wireless communication
service (WCS), high performance local area network
(HiperLAN), and so on [3-5].

Dual band or multi frequency operations are a main
requirement of this type communication. A single
antenna is highly desirable if it can operate at these
bands. The antenna should be in the planar form,
lightweight and compact, so that it can easily be

Submitted On: April 25, 2014
Accepted On: December 11, 2014

embedded in the cover of communication devices. To
reduce the transmission line length and the radiation
losses, a simplified feeding circuit is also an important
component [6-7].

In this paper, a novel design of a CPW-fed slot
antenna for major wireless communication bands is
proposed, which have many advantages such as simple
structure of a wide bandwidth and easy integration with
active devices. The proposed antenna covers frequency
bands of 1.04-1.42 GHz and 1.88-2.51 GHz. The
resonant frequency of the antenna can be adjusted by
changing the sizes of S-shaped structures. Good return
loss and radiation pattern characteristics are obtained in
the frequency band of interest.

II. MICROSTRIP ANTENNA DESIGN

The antenna is fabricated on an FR4 epoxy
substrate with dielectric constant er=4.4 and loss
tangent tan 6=0.02 and thickness h=1.6 mm.

As shown in the Fig. 1, an S-shaped radiator is fed
by a 50 CPW transmission line which is terminated
with a sub miniature A (SMA) connector for
measurement purpose. Since both the antenna and the
feeding are implemented on the same plane, only one
layer of substrate with single-sided metallization is
used, and the manufacturing of the antenna is very easy
and extremely low cost. Both the radiating patch and
the ground plane are beveled, which results in a smooth
transition from one resonant mode to another and
ensures good impedance match over a broad frequency
range.

The presented slot antenna is fed by a CPW. A
CPW is a one type of strip transmission line defined as
a planar transmission structure for transmitting
microwave signals. It comprises of at least one flat
conductive strip of small thickness and conductive
ground plates.

A CPW structure consists of a median metallic
strip of deposited on the surface of a dielectric substrate
slab with two narrow slits ground electrodes running
adjacent and parallel to the strip on the same surface.

1054-4887 © 2015 ACES
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SMA
Connector

(b) (c)

Fig. 1. Geometry of the proposed CPW-fed slot
antenna: (a) side view, (b) radiating stub, and (c)
ground plane.

As shown in Fig. 1, besides the microstrip line, the
CPW is the most frequent use as planar transmission
line in RF/microwave integrated circuits. It can be
regarded as two coupled slot lines. Therefore, similar
properties of a slot line may be expected. The CPW
consists of three conductors with the exterior ones used
as ground plates. These need not necessarily have same
potential. The width of the CPW-feed line is:

W, < 120h7r. 1)
2o \/;
For good accuracy of CPW:
% < 0.5mm. 2)

As illustrated in Fig. 1, the conductors placed together
with distance of d=0.135 mm.

The proposed antenna configuration is shown in
Fig. 2. Final values of the antenna design parameters
are specified in Table 1.

In this study, to achieve the wideband operation,
the radiating stub is converted to S-shaped structure as
shown in the figure. By using this structure, a new
resonator at 1.25 GHz will be excited whose resonant
frequency is higher than the basic structure resonant
frequency. Also, in order to achieve another resonance
at 2.5 GHz, we used an S-shaped slotted ground plane.
Regarding to have S-shaped structures in both of the
radiating stub and ground plane, two resonators will be
excited, when combined gives a wideband response;

W= Ly = ———, 3
sub sub 2 fL E,‘e/], ( )
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ey = (e, +1)/2. ()

In this design, the final length Licsonance 1S set to resonate

at 0.25Aresonance:
C

.f;e.mnance 4 L W >
where Lresonancelzwl+0-5L1 and Lresonance2:0~25L2+0-5W4
correspond to new resonance frequencies at 1.25 and
2.5 GHz. To investigate the performance of the
proposed antenna configuration in terms of achieving
wideband operation, a commercially available Ansoft
HFSS was used for the required analysis and to obtain
the proper geometrical parameters. The simulation
processes flow chart is given below in Fig. 3.

)

d. W . d

Substrate

Fig. 2. Coplanar waveguide structure (CPW).

Table 1: Final dimensions of the antenna

Parameter Wb Lsu hsub
Value (mm) 34 34 0.8
Parameter Le W

Value (mm) 8 7.5 15
Parameter L, W3 L,
Value (mm) 20 8.365 5
Parameter Ws Ls W;e
Value (mm) 23 22 1
Parameter Wi L, W,
Value (mm) 2 12.25 2.5
Parameter Wy d W;s
Value (mm) 2 1.27 3

\Djf >
==

@ pomims)
Paramemc Model
Geometry!Malena\ s

Analy5|
Solution Setup
Frequency Sweep

CHh & D

\

Field 3
i 14, Solva Loop
K — ALY

~—— Update >f’ =

)

Fig. 3. Flow chart of simulation processes.



III. RESULTS AND DISCUSSIONS

The proposed CPW-fed slot antenna with various
design parameters was constructed, and the numerical
and experimental results of the input impedance and
radiation characteristics are presented and discussed.
Ansoft HFSS simulations are used to optimize the
design and agreement between the simulation and
measurement results is obtained [9].

The configuration of the various antennas used for
simulation studies are shown in Fig. 4. Return loss
characteristics for the ordinary CPW-fed slot antenna
[Fig. 4 (a)], the antenna with an S-shaped radiating stub
[Fig. 4 (b)], the antenna with S-shaped radiating stub
and modified ground plane [Fig. 4 (c)], and the
proposed slot antenna [Fig. 4 (b)] structures are
compared in Fig. 5.

(a) (b)

(€) (d)

Fig. 4. (a) Ordinary CPW-fed slot antenna, (b) the
antenna with an S-shaped radiating stub, (c) the antenna
with S-shaped radiating stub and modified ground
plane, and (d) the proposed antenna structure.
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Fig. 5. Simulated return loss characteristics for the
various structures shown in Fig. 4.
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As shown in Fig. 5, it is observed that the lower
frequency bandwidth is affected by using an S-shaped
radiating stub and generation of multi-band
performance is sensitive to the modified S-shaped
ground plane. Also, the input impedance of the
proposed antenna on a Smith Chart is shown in Fig. 6.

Smith Chart
100 90 g0

100 00 B0

The Proposed Slot Antenna

Fig. 6. Simulated input impedance of the proposed
antenna on a Smith Chart.

In order to know the phenomenon behind this
multi-band  performance, the simulated current
distributions for the presented antenna at 1.25, 2.15 and
2.4 GHz are presented in Fig. 7. It can be observed in
Fig. 7 (a), at the lower frequency (2.1 GHz) the current
concentrated on the edges of the interior and exterior of
the S-shaped radiating stub. Therefore, the antenna
impedance changes at this frequency due to the
resonant properties of the S-shaped structure [6].

Another important design parameter of this
structure is the modified ground plane structure. Figures
7 (b) and (c) present the simulated current distributions
in the ground plane of the proposed antenna at 2.15 and
2.4 GHz (upper frequencies), respectively. As seen, at
the upper resonance frequencies, the current flows are
more dominant around of the modified S-shaped
ground plane.

The proposed antenna with final design was built
and tested. The below Fig. 8 shows the antenna
fabrication setup.

The VSWR characteristic of the antenna was
measured using the HP 8720ES network analyzer in an
anechoic chamber. The radiation patterns have been
measured inside an anechoic chamber using a double-
ridged horn antenna as a reference antenna placed at a
distance of 2 m. Also, two-antenna technique using an
Agilent E4440A spectrum analyzer and a double-ridged
horn antenna as a reference antenna placed at a distance
of 2 m is used to measure the radiation gain in the z
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axis direction (x-z plane). Measurement set-up of the
proposed antenna for the VSWR, antenna gain and
radiation pattern characteristics are shown in Fig. 9.

The measured and simulated return loss
characteristics for the proposed antenna were shown in
Fig. 10. The fabricated antenna has a frequency band
from 1.04 GHz to 1.42 GHz and 1.88 GHz to 2.51 GHz.
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Fig. 7. Simulated surface current distributions for the
proposed antenna at: (a) 1.25 GHz, (b) 2.15 GHz, and
(c) 2.4 GHz.

Fig. 8. Fabrication setup.
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CPW-Fed Antenna
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Fig. 9. Measurement set-up of the proposed antenna: (a)
return loss, and (b) antenna gain and radiation patterns.
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Figure 11 shows the measured radiation patterns
including the co-polarization and cross-polarization in
the H-plane (x-z plane) and E-plane (y-z plane). The
main purpose of the radiation patterns is to demonstrate
that the antenna actually radiates over a wide frequency
band. It can be seen that the radiation patterns in x-z
plane are nearly omnidirectional for the three
frequencies. With the increase of frequency, the
radiation patterns become worse because of the
increasing effects of the cross-polarization [10-13].
Figure 12 shows the measured maximum gain of the
proposed antenna for operation frequency bands.

The radiation intensity corresponding to the
isotropic ally radiated power is equal to the power
accepted by the antenna divided by 4n. This can be
expressed as:

G =V (.0) 6)

F,
It is assumed that the antenna is receiving a signal in
the direction of maximum gain. It is also common for
the gain to be expressed in decibels and referenced to

an isotropic source (G=1), as shown:
G(dBi)=10Log (G /1). (7
As illustrated the antenna has sufficient and
acceptable gain level in these bands [14-15].

Return Loss (dB)

=+~ Measured Fabricated Antenna
35F ——Ssimulated 1

40—t L L L ! | . | .
1 1:2 14 16 1.8 2 22 24 26
Freq [GHz]

Fig. 10. Measured and simulated return loss

characteristics for the proposed antenna.

(a)

Cross-Pol---1.3 GHz Cross-Pol ---2.1 GHz

Cross-Pol ==-2.4 GHz

Co-Pol—1.3 GHz Co-Pol —2.4 GHz

Co-Pol —2.1 GHz

Fig. 11. Measured radiation patterns of the proposed
antenna: (a) H-plane, and (b) E-plane.



Gain [dBi]
w
*.
*
L

Lower Frequency Band
(1.04-1.42 GHz)

Upper Frequency Band
(1.88-251)

1.8 27
Freq [GHz]

Fig. 12. Measured maximum gain for the proposed slot
antenna.

IV. CONCLUSION

A novel dual-band CPW-fed slot antenna for major
wireless communication bands is presented in this
paper. The antenna configuration consist of modified S-
shaped radiating patch and ground plane. The proposed
antenna can operate from 1.04 GHz to 1.42 GHz and
1.88 GHz to 2.51 GHz. The designed antenna has a
small size of 34x34 mm? The proposed antenna
configuration is simple and easy to fabricate.
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Frequency Selection for Accurate Radar System of 2D Airplane in
Turbulence Using Beam Wave Incidence

Hosam El-Ocla

Department of Computer Science
Lakehead University, 955 Oliver Road, Thunder Bay, Ontario, Canada P7B 5E1
hosam.elocla@lakeheadu.ca

Abstract — Selection of the proper frequencies that are
able to detect civil and military aircrafts is a challenging
issue in radar engineering. Proposed algorithm measures
the effect of the linear polarization including H-wave
polarization on the radar detection behavior in random
medium, and hence, compares it with the E-wave
polarization case. Effects of random medium properties
on the scattered waves are analyzed. In doing this, laser
radar cross section (LRCS) of targets is calculated using
a boundary value method with a beam wave incidence.
As a result, performance of the backscattering
enhancement is studied with the object configuration
considering the creeping waves that have an obvious
impact, particularly in the resonance region.

Index Terms — Airplane, beam, conducting, frequency,
object, polarization, scattering, radar, turbulence.

I. INTODUCTION

Recently, plenty of researchers presented useful
quantitative studies for a range of frequencies able to
detect a variety of conducting objects such as aircrafts
and ships [1-3]. The case where targets are embedded in
random media produces a backscattering enhancement
in electromagnetic waves [4-6] compared to the free
space case. Accordingly, the double passage effect [4] is
applied on waves backscattering from point targets
where RCS is enhanced by a factor ranging from one to
two (Rayleigh) to three, because of the correlation
between the forward and backward fields in turbulence
[6].

In [7], it was handled the problem of backscattering
enhancement where authors discussed the importance of
using a boundary value problem method to calculate the
generated surface current, essentially the effect of the
shadow region when the object dimensions are larger
than the wavelength A. Over the past years, a current
generator method (CGM) has been presented to solve the
scattering problem as a boundary value problem [8,9].
This method computes reflected waves from the whole
surface of arbitrary shape objects with reasonable

Submitted On: December 14, 2014
Accepted On: June 6, 2015

processing time. Actually, our results are in excellent
agreement with those assuming a cylinder with circular
cross section in free space in [10]. Recently, CGM was
verified using FDFD method and proved a fair
agreement with an accuracy below 5% error rate for
objects in random media and even less error in the free
space [11]. In [12], it was concluded that RCS and
accordingly the backscattering enhancement for a plane
wave incidence depends greatly on the incident angle
and the configuration of the target regardless of the
incident wave polarization. However, this is not the case
with E-beam wave incidence, particularly in the range of
a>\[13].

In this paper, we extend our work to investigate the
effect of beam wave incidence assuming H-polarization
on objects having different configurations. With H-
polarization, creeping waves [ 14] are generated and their
effect maximizes in the resonance region where the
target size is close to A [15]. To improve radar imaging
in the sense of having an accurate RCS calculation of
objects such as aircrafts in turbulence, resonance effect
[16] should be avoided or at least minimized to its
minimal by controlling the incident aspects as it is
investigated here. This is to obtain a radar system almost
independent of the incident angle and complexity of
aircrafts shapes. Therefore, the range of frequencies to
detect accurately civil and military airplanes is selected
despite of the coherence function of the surrounding
medium, the incident wave polarization, and the
illumination region complexity for some canonical
examples. The time factor exp(—iwt) is assumed and
suppressed in the following section.

II. SCATTERING PROBLEM
Geometry of the problem is shown in Fig. 1. A
random medium is assumed as a sphere of radius L
around a target of the mean size a « L, and also to be
described by the dielectric constant &(r), the magnetic
permeability p, and the electric conductivity . For
simplicity &(r) is expressed as:

ar) = g 1+Ag(r)], (1)
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where & is assumed to be constant and equal to the
permittivity of free space and Ag(r) is a random function
with:

(Agr)y =0,  (Agr) Ad(r’)) = B(r,r’), @)

B(rr),« 1, kl(r) » 1. 3)
Here, the angular brackets denote the ensemble average
and B(r,r'), /(r) are the local intensity and local scale-
size of the random medium fluctuation, respectively, and

k = w./&ylo is the wavenumber in free space. Also u

and

and o are assumed to be constants; u = g, o = 0. For
practical turbulent media the condition (3) may be
satisfied. Therefore, we can assume the forward
scattering approximation and the scalar approximation
[15].

Random X

. medium \ . -
ol . S
: : WB(l‘,r):ﬂll\j:tfln;ggrzleiitensi
) L=g /,L—L: t ® of random mediurrtly

Fig. 1. Problem description of wave scattering from a
conducting cylinder in random medium.

Consider the case where a directly incident wave is
produced by a line source f{r') distributed uniformly
along the y-axis. The line source is located at , beyond
the random medium and it is quite far from the target. An
electromagnetic wave radiated from the source
propagates in the random medium illuminating the target
and induces a current on its surface. A scattered wave
from the target is produced by the surface current and
propagates back to the observation point that coincides
with the source point. The target is assumed to be a
conducting cylinder of which cross-section is expressed
by:

r=a|:1—5cos3(6’—¢):|, “4)

where ¢ is the rotation index, J is the concavity index.
We can deal with this scattering problem two
dimensionally under the condition (3); therefore, we
represent r as r = (x, z). Assuming an H-polarization of
incident waves (H-wave incidence), we can impose the
Neumann boundary condition for wave field u(r) on the
cylinder surface S. That is,

0
gu(r) =0, (5)
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where u(r) represents E,. Here, let us designate the
incident wave by u;,(r), the scattered wave by u,(r), and
the total wave by u(r) = ui(r) + us(r). According to the
current generator method [9] that uses the current
generator Yy and the Green’s function in random
medium G(r|r’) and as in [12], we can express the
surface current wave as:

u(ry) = Ju(ry) = — fs Yy (ralry) win(rqlre) dry, (6)
where 1, represents the source point location and it is
assumed that r,= (0, z) in Section 3. Accordingly, the
scattered wave is given as:

aG(r|r
ug(r) = [ Ju(re) o2 dry. ()
2
This can be represented as:
us(r) =
- fs dry fs dr, [(ainz G(T|T2)> XYy (ralr)uy (rry) |-
(®)

Here, Y is the operator that transforms incident waves
into surface currents on S and depends only on the
scattering body. The current generator can be expressed
in terms of wave functions that satisfy the Helmholtz
equation and the radiation condition. Yu is well
formulated in [12] for H-polarization.

The incident wave is cylindrical and becomes plane
approximately around the target because the line source
is very far from the target. As a result, we consider
uin(r1|ry) to be represented as:

Uy (r4|1) = ,
fVT G(r|r)xexp [— (%) ] fadr =
G(rylry) exp [— ()’ ] ©)

where W is the beam width. The beam expression is
approximately useful only around the cylinder. The
average intensity of the backscattering wave for H-wave
incidence in turbulence is given by:

<|usb(r)|2> =

fs dry; fs dro, fs ar'y fs ar',Yy (roq|r'y) Y (rozlr's)

kx',\ kx',\°] o o
FPITaw ) | P T\ ew ) | Gy, 9,
(G(rlro)G(rlre) G (rlr' )G (rlr')).  (10)
We can obtain the LRCS oy, using (10):
ap = (lugp(M)|?) . k(472)% . (11
We express |ug,o(1)|? in free space as:

|usb0 (T) |2

= fdr01fdr02fdr'1fdr'2YH (To1lr'y) Ya(rozlr's)
s s s s

kx',\ kx',\°] o o
FPI\Tw ) | P aw ) | 9y, 9ng,
Go(r|ro)Go(rlre) Go(rlr' G (rlr'y).  (12)
We can obtain the LRCS oy using (12):

Tpo = |uspo(M)|? . k(472)* . (13)
Final forms for (10) and (12) are derived in [16]. To
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formulate the fourth moment of the Green’s function in
these equations, it is needed to use the structure function
of turbulence D, defined in [9], as was explained in [13].
It should be noted that equation (3) puts a condition and
assumes that the randomness density B is quite low
enough to the extent that the medium has a fairly small
number of particles resulting in having large separations
p among particles. In [17], it was proved that D agrees
better with the two-dimensional isotropic relation for
larger p among particles than for smaller p. It was
concluded that random medium can be considered as a
two-dimensional turbulence in the enstrophy inertial
range. This was derived and compared with calculations
based on wind data from 5754 airplane flights. As a
result, three-dimensional problems can be analyzed two-
dimensionally under condition (3) in the absence of
vortex stretching the nonlinear inertial force in the
direction of y-axis of the cylinder that is aligned with the
line source. Solving the problem two-dimensionally
would in turn reduce greatly the calculation time of the
scattered waves intensity in addition to minimizing the
memory resources of the computers needed to process
the three-dimensional problem that has been pursued in
[11].

Let us assume that the coherence of waves is kept
almost complete in propagation of a distance 2a equal to
the mean diameter of the cylinder. This assumption is
acceptable in practical cases under condition (3). On the
basis of the assumption, it is important here to point out
that we are going to present a quantitative discussion for
the numerical results in Section 3.

The calculation of scattering data has been restricted
to the interval 0.1 < ka < 30. It is quite difficult to exceed
this ka limit since greater ka requires a large M which
consequently increases the calculation time dramatically.

III. NUMERICAL RESULTS
Although some of the incident wave rays become
sufficiently incoherent in the propagation through
random medium particles, we should pay attention to the
spatial coherence length (SCL) of incident waves around
the target. The degree of spatial coherence is defined as:

F(p,z)=<G(r1\r,)G*(r2|r,)>’ (14)
<|G(r0 T, )|2>

where r; = (p, 0), r2 = (—p, 0), ro = (0, 0), and r,= (0, 2).
In the following calculations, we assume B(r, r') = By
and kByL = 3r; therefore the coherence attenuation index
a defined as k’ByLl/4 given in [9] is 1572, 44x2, and 597°
for k/ = 20z, 587, and 118z, respectively, which means
that the incident wave becomes sufficiently incoherent.
The SCL is defined as the 2kp at which |T'| = ¢! = 0.37.
In [13], a simplified form of the I" function in random
medium is formulated. Figure 2 shows a relation
between SCL and 4/ in this case and that the SCL is equal
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to3,5.2,and 7.5. We use the SCL to represent one of the
random medium effects on the LRCS.

In the following, we conduct numerical results for
normalized LRCS (NLRCS), defined as o expressed in
(11) to owo expressed in (13).

| mez
..>\‘
N kl=20 ®
LN, 258 TT eeeeennen
0.8' \‘ 58 ©
N 1187 =—=—
. .
i N
0.6} t %
a ". \\
= % N\
— g Y \
1 S TS
e E \
N
H H N
0.2 SCL=3 % M SCL=75
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L —— e
0 e - =,
0 2 4 6 8
kp

Fig. 2. The degree of spatial coherence of an incident
wave about the cylinder.

A. Backscattering enhancement

Airplanes have models where their fuselages have
different curvature slopes with the wings. In the
numerical results we assume contours of cylinders with
different cross section complexities shown in Fig. 3.
Intensity of scattered waves varies with the illumination
region complexity of such models and the random
medium coherence function SCL, so we present results
in Figs. 4 to 6 showing effects of these cases on the
NLRCS. That is, when waves are scattered from fuselage
only, we assume that 06 = 0 where the cross-section is
circular. While waves scattering from other locations in
the neighborhood of the fuselage attachment with the
wings requires other values for dsuch as Q-170 and X-47A
airplane (6 =0.1), F16 and F117 airplane (6 =0.18-0.2)
[13].

0=0.1 6=0.18

5=0.2

Fig. 3. Contours of cylinders with different cross section
complexities.
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Fig. 4. Normalized LRCS vs. target size at different o for
kW =2 where: (a) SCL=3, (b) SCL=5.2, (c) SCL=17.5,
and ob, 60 are LRCS in random media and in free space,
respectively.

At ka = 0, NLRCS is two owing to the double
passage effect. As ka is getting greater, NLRCS
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undergoes a substantial oscillating behavior due to the
random medium fluctuations. NLRCS is closer to two
when having a greater SCL which represents a less
medium randomness around the object. At the low ka
band, target complexity has a less effect on the scattered
waves and, therefore, NLRCS is almost invariant and
does not change much with different 6. On the other
hand, in the high frequency range where ka > 20, or
alternatively at @ > 31, NLRCS changes relatively more
than with the low ka case but yet limitedly with . As ka
enlarges, as the number of inflection points and
accordingly their scattering contributions increase which
in turn augments NLRCS. This behavior contradicts with
the case of E-wave incidence where NLRCS does not
differ with ¢ within the range a > A irrespective of the
illumination region [13]. Also, we can notice that, the
intensity of the NLRCS fluctuations is greater with H-
wave incidence than with the E-wave incidence. This is
due to the coupling between the direct waves and the
creeping waves. NLRCS have anomaly increases in the
resonance region [16] where the mean target size a is
close to A [15]. In addition NLRCS is closer to two with
reducing the intensity of the oscillations when the SCL is
wide enough around the object.

In Fig. 5, we investigate the effect of the
illumination region curvature for both concave and
convex portions where the incident angle represented in
¢ of Fig. 1 is 0 and =, respectively. It is important to refer
to [16], where the illumination region was focused only
on the convex portion (¢ = m) of concave-to-convex
objects. It is apparent that the performance of NLRCS
with ¢ discussed above is opposite to its performance
with ¢ in Fig. 5. In other words, NLRCS is obviously
different with the illumination region curvature at the
low ka up to a certain value regardless of the AW/ limit.
That is, NLRCS is different with ¢ at about a < 31 and
vice versa. In Fig. 6, this observation is valid with
SCL = 30. While this range is nearly indifferent with kW
with the H-wave incidence, the NLRCS performance is,
however, different in the case of E-wave incidence
where kW would be a factor to determine this certain
value of wavelength. This is also attributed to the effect
of creeping waves coupling.

From this discussion, we can accept to consider a > 34
to be the range where NLRCS would not change
obviously with the airplanes dimensions including
wingspan and fuselage diameters that can be represented
by 2a as in Fig. 1. Also within this range, NLRCS can be
considered almost invariant with the incident angle, and
accordingly with the illumination region complexity, and
also with the incident wave polarization. Furthermore,
NLRCS avoids having great peaks in the resonance
region assuming this range.

As the wingspan is usually greater than the fuselage
diameter, then we consider the wingspan to calculate the
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proper frequency range for radar system that would
reduce and minimizes the error rate of the radar detection
system accuracy. Also, it should be noted that the
wingspan for civil and military planes are quite different.
For example, the wingspan for F16 and X-47A are 10 m
and 8.465 m, respectively, which equals to the diameter
2a of the cylinder. As a result, for both models we can
accept A < 1.7 m and 4 < 1.41 m for F16 and X-47A,
respectively, and accordingly the frequency can be about
290 MHz or above. For the civil plane, we can consider
the Boeing 777 where the wingspan is about 60 m.
Therefore, 4 < 10 m, and accordingly the frequency can
be about 30 MHz or above. Having frequencies above
these ranges would reduce the radar error rate and,
therefore, maximizes the radar accuracy. As a result, the
range of frequencies that can detect the military airplanes
can also detect the civil planes, but not necessarily vice
versa.

S Ir

0 3 10 15 20 25 30
ka
(b)

Fig. 5. Normalized LRCS vs. target size at 6 = 0.1 for
SCL = 3 where: (a) kW = 1.5, (b) kW =2, and ob, 60 are
LRCS in random media and in free space, respectively.
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Fig. 6. As Fig. 5, but for SCL = 30.

IV. CONCLUSION

In this paper, we aim at selecting the range of
frequencies that would enhance the capability of radar
system to detect airplanes in random medium such as
turbulence accurately. In doing this, we investigate the
performance of the backscattering enhancement assuming
an H-beam wave incidence and compare with the E-beam
wave incidence. To maximize the efficiency of a radar
system, the normalized laser RCS (NLRCS) should tend
to two where the double passage is the only effect for a
point target in random medium. This can be achieved
with wider SCL and/or wider kW and that would also
minimize the strength of the peak-to-peak oscillating
behavior of NLRCS. On the other hand, NLRCS should
be independent of the incident angle and incident wave
polarization. Also, the radar frequencies should
guarantee that NLRCS avoids having anomaly increases
particularly in the resonance region with the convex
illumination region.

The range of a > 31 can fulfill these requirements,



and hence, the frequencies of 290 MHz or above can be
used to detect the arbitrary examples of military and civil
airplanes assumed in this paper. Higher frequency
spectrum minimizes the error rate of the radar system. It
should be noted that less frequencies can detect only civil
aircrafts but not military ones.
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Abstract — The vector parabolic equation method was
widely used to analyze the electromagnetic scattering
from electrically large PEC objects in free space. In this
paper, it is applied for the analysis of the
electromagnetic scattering from PEC objects in half-
space. By introducing both the incident field and the
reflected field to illuminate the objects, the vector
parabolic equation method can be used to efficiently
calculate the radar cross-section of PEC objects with
electrically large size in half-space. The numerical
results demonstrate that the proposed method can
efficiently give reasonably accurate results.

Index Terms — Electromagnetic scattering, half-space,
parabolic equation method.

L. INTRODUCTION

The differential methods such as the finite
differential method (FD) and the finite element method
(FEM) in frequency domain [1-2] were widely used for
computing the radar cross-section (RCS) of complex
objects in free space. However, a large number of
unknowns were needed to analyze three dimensional
electromagnetic scattering from electrically large
objects for these methods. The parabolic equation (PE)
method was an approximation of the wave equation
with marching gradually from one plane to another
along the paraxial direction [3-5]. By this way, the
three-dimensional problem could be converted into a
series of two-dimensional problems to be solved by the
PE method. Therefore, the electromagnetic scattering
from electrically large PEC objects could be analyzed
efficiently. However, the PE method could not provide
the full bistatic scattering pattern of an object because
of intrinsic paraxial limitations [6]. And it has not been
reported that the electrically large conductive objects in
half-space were calculated by the parabolic equation
method so far.

With the development of the electromagnetism,
more and more attention was paid to the
electromagnetic scattering from electrically large
objects above the earth or the sea [7-10]. The
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electromagnetic scattering from the electrically large
objects in half-space could be analyzed by both the
FDTD [11] and the FEM [12], but there were
difficulties in the procedures of modeling and
computing. Moreover, the half-space Green’s function
was used to be combined with the method of moments
(MoM) for the electromagnetic scattering from PEC
objects in half-space [13-15]. And the multilevel fast
multipole method (MLFMM) was applied to accelerate
the calculation [8]. But memory requirements and
computation time were still excessive by this method,
which led to bad computational efficiency.

In this paper, the vector PE method is used for the
analysis of the electromagnetic scattering from PEC
objects in half-space. Both the incident field and the
reflected field from the ground plane are considered to
illuminate the objects through the inhomogeneous
boundary conditions. Then the scattered electric fields
can be calculated from one plane to another with the
parabolic equations. Moreover, the scattered magnetic
fields can be gotten from the scattered electric fields
through the Maxwell equations with the finite
difference scheme. As a result, both the scattered
electric current and the scattered magnetic current of
the last transverse plane can be computed by them. At
last, the RCS can be obtained by the reciprocal theory
with the scattered electric current and the scattered
magnetic current of the last transverse plane.

The remainder of this paper is organized as follows.
In Section 2, the theory and the formulations are given.
Two numerical experiments are presented in Section 3
to show the efficiency of the proposed method. Section
4 concludes this paper.

II. THEORY AND FORMULATIONS

A. PE framework for scattering problems

The three-dimensional electromagnetic scattering
from PEC objects in free space can be analyzed by the
three-dimensional wave equation. The scattered field
components EfEf ES satisfy scalar wave equation as
follows:

1054-4887 © 2015 ACES
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where k is the wave number.
The reduced scattered fields

introduced with the scattered field components:
u(x,y,z)= e’f’“Eg‘ x,,z) &=x,y,z (2)
Define the pseudo-differential operator O as the
following format:
2 2
o 9 3)

1
=)
Substitute equation (1) with the equations (2) and
3), the following equations can be gotten:

[—+jk(1 1/1+ )] +]k(1+1}1+ O =

é: =X),Z.

The two parts of the equation (4) correspond to
forward and backward propagating waves, respectively.
The first order Taylor expansions of the square root and
the exponential are used in this paper. This yields the
well-known standard vector parabolic equations:

0. Ou; ., ou:
6syz(xy,) 5 (3.2)+2jk 55 (x,0,2)=0
E=x,y,z.

When the FD scheme of the Crank-Nicolson type
is used to the equation (5), the forward vector parabolic
wave equations can be written as follows:

ug,u,,u; - are

“4)

)

2]/(?2 ) e ui (x+Ax,y+Ay,z)+
2JkA(xAz)2 ul(x+Ax,y,z+Az)+
(l_jk(AAx)’)2 - jk(AAxZ)z Y (x+Ax,y,z)+ ©
2]kA(Z y e u;(x+Ax,y—Ay,z)+
ij?xAz)z H(x+Ary,z-Az)

=u(X,,2) E=x,y,z

The reduced scattered fields at (x+Ax) plane can
be calculated from those at x plane by the use of the
equation (6). As shown in Fig. 1, the calculation starts
in the plane before the scatterer and stops in the plane
beyond the scatterer. The initial fields are set to be zero
in the first transverse plane. In order to truncate the
computational domain, the perfectly matched layer
(PML) is selected to truncate each transverse plane [16-
17]. The radar cross section (RCS) can be obtained by
the reciprocal theory with the scattered electric current
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and the scattered magnetic current of the last transverse
plane.

PUL

Fig. 1. The marching strategy of the PE method.

B. Boundary conditions for scattering problems in
half-space

As shown in Fig. 2, the scattered fields ES of the
electrically large conductive objects in half space can
be composed of three parts approximately [18-19].
They are the reflected fields of the ground, the reflected
fields of the object and the reflected fields of both the
ground and the object. And the PEC object in half-

space is illuminated by both the incident field E! and

the reflected field in the ground plane E". The
intersection angle between the incident field and the
reflected field is 2a. As shown in Fig. 2, the marching
direction of the PE method is given for backward
scattering from a PEC object.

The marching
direction of theA

E PE method

Hy, 85,0,

Fig. 2. The object in half-space.

The reduced scattered fields in equation (6) are
coupled through boundary conditions on the PEC
objects. For a PEC, the tangential electric field must be
zero on the surface of the scatterer:

naty —n i, =—e *[n,(E, + ) ~n, (! + E))]
=—e X [n(Ei+E)-n(E+E)]  (7)
=—e"[n(E+E)-n(E +E))],

nu—nu;

nu; —nu,
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in which (E}, £}, E!) are the components of the incident

field for the directions X,y,Z, (E/,E],E’)are the ones

of the reflected field, and (n ,n, ,n.)denote the surface
outward pointing unit normal.

Another equation is needed because the equations
in (7) are not independent. As a result, the divergence-
free condition is added to the equation for guaranteeing
the unicity of the solution [6]:

LG40k WOy @®)
2k oy 6y oz

The incident ﬁeld and the reflected field can be
expressed by the following equations, respectively:

E = (0 cos B+, sin B)e
for ki = —k(cos@'x+sin@ cos @'y +sin @' sinp'z)

A i - o0
6 =—sin@'x+cos@ cos@'y+cosfsing'z ©)

@, =—sin@' p+cose'z,
E" =(QR™ cos B+ R sin B)e '
for k= —k(cos@'x+sin@ cos@'p+sinf' sing'z)
é, =—sin@'x+cosb cos@'y+cosf sing'z
@, =—sin@'y+cose'z.

(10)
In equations (9) and (10), B =0 represents vertical
polarization ~ while S= > represents  horizontal

polarization, (€',¢")is the angle of the incident field
and (6',¢") is the angle of the reflected field. The
reflection coefficients R™,R™ can be expressed as
follows, respectively [20]:
R — (&,/&)cosO —\Jg, | & —sin* O
(&,/&)cosO +\/52 /& —sin* @'
R — cost — e,/ & —sin* ' .
cos@' +,/e,/ & —sin’ &'
C. Far-field calculations

Combining the equations (6), (7) and (8) with the
finite difference scheme of the Crank-Nicolson type,

(11

the scattered electric fields E’(x, y,z) can be computed.
And the scattered magnetic fields H (x,v,z) of the last

transverse (),z) plane can be gotten by the following

equation with the scattered electric fields E“(x, ,z) of

the last two transverse (),z) planes:

H =L VxE
WO,
EX
[ (ai ok, (12)
oy Oz
6Eb aE OF;

6 (- Thrad T
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Moreover, the scattered electric current and the
scattered magnetic current of the last transverse plane
can be computed by the scattered electric fields and the
scattered magnetic fields in the last transverse (y,z)

planes:

jx:ﬁ x[?s
=é.(n, ,H: —n. H)+é (n. H —n, H) (13)
+e (n”,H -n, H)
A_;I“zE"'xﬁ
=e (Ein. ,—En, )+e,(Ein, ,—Emn. ) (14)
+e.(En, ,—Ejn, ),

where 7, =(n,,,n,,,

the last transverse (y,z) plane. Once both the scattered
electric current and the scattered magnetic current are
obtained in the last transverse plane, the far field
components can be calculated by them with the
reciprocal theory. And the RCS in direction (6,¢) is
given by:

n,,) denotes the unit normal of

E° (xy.2)
0'(6, ¢) = lim 471" — - =
7 |E ()

k2 2 0 2
COS ‘ﬁ; J-iooo (Ev (x’y’Z).?).e—jksinH(ycos(p+zsin(0)dydz ,

(15)

- . . . .
where ¢ is the receiver polarization.

III. NUMERICAL RESULTS
In this section, a series of examples are presented
to demonstrate the efficiency of the proposed method.

A. The bistatic RCS for a PEC cylinder

Firstly, the electromagnetic scattering from a PEC
cylinder is considered at the frequency of 300 MHz
with the radius 2 m and the height 1 m. The model of
the PEC cylinder is shown in Fig. 3. The incident wave
propagates along the x-axis. The PEC cylinder is
placed A/5 above the half space with g =4.0,
u =10 and o0=0.01,
wavelength in the vacuum. As shown in Fig. 4, the
bistatic RCS curves above the half space are compared
between the proposed method and software FEKO. It
can be seen that there is a good agreement between
them and it should be noted that seven rotating PE runs
are used to obtain the full bistatic RCS [6]. Moreover,
comparisons of the memory requirement, the matrix
size, the matrix-filling time and the CPU time are made
between the proposed method and the MLFMM, as
shown in Table 1. It can be found that memory
requirement and CPU time can be reduced 40.1% and

where A represents the
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88.3% for the proposed method, respectively. At last,
the bistatic RCS values of different spacing values

between the cylinder and the soil are computed in Fig. 5.

Ei

|

4m

e,

Fig. 3. The cylinder model in half space.

50
FEKO
40 - - - .Proposed Method
™ 30
<)
@A 20
O
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N
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Theta(degree)
Fig. 4. Bistatic RCS of a PEC cylinder at the frequency
of 300 MHz.
o
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-90 -70 -50 -30 -10 10 30 50 70 90
Theta(degree)

Fig. 5. Bistatic RCS values of different spacing values
for the PEC cylinder.

Table 1: Comparisons of the memory requirement, the
matrix size, the matrix-filling time and the CPU time

for the PEC cylinder
Methods | Matrix | Matrix- | CPU Memory
Size Filling | Time | Requirement
Time (s) (s) (MB)
Proposed
Method 10000 23 97 2253
MLFMM | 25506 511 826 376.2

B. The monostatic RCS for a PEC polygon

Secondly, the analysis of monostatic RCS is taken
for a PEC polygon at the frequency of 0.3 GHz. The
PEC polygon is placed A/2 above the soil with
g =23, . =10 and 0=0.01. The size of the polygon
is shown in Fig. 6. It should be noted that there are
different numbers of transverse planes to be computed
for each observation angle, since the length of the
scatterer along the x-axis (the paraxial direction) is
changing for different angles of the incident wave. As
shown in Fig. 7, the monostatic RCS curves are
compared between the proposed method and FEKO. As
shown in Table 2, the comparisons of the memory
requirement, the matrix size, the matrix-filling time and
the CPU time are made between the proposed method
and the MLFMM. It can be seen that memory
requirement and CPU time can be reduced 65.4% and
34.2% for the proposed method, respectively.
Therefore, the vector parabolic equation method can be
utilized for the efficient analysis of the electromagnetic
scattering from the conductive objects with electrically
large size in half-space.

[ Z}/\ 4m

VARE:

4m

4m IO' 5m

Half Space

Fig. 6. Model of the PEC polygon in half space.

Table 2: Comparisons of the memory requirement, the
matrix size, the matrix-filling time and the CPU time

for the PEC polygon
Methods | Matrix | Matrix- | CPU Memory
Size Filling | Time | Requirement
Time (s) (s) (MB)
Proposed
Method 10000 | 4391 10978 339.7
MLFMM | 34245 | 10007 | 16679 980.4
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Fig. 7. Monostatic RCS of a PEC polygon at the
frequency of 300 MHz in half space.

C. Comparisons of the bistatic RCS curves in free
space and in half space for an aircraft

At last, we consider the scattering from an aircraft
both in the free space and in the half space at the
frequency of 1 GHz. Its maximum sizes in X, y and z
directions are 4.8 m, 3.3 m, 1.06 m. The full bistatic
RCS curves in free space and in half space are given in
Fig. 8 with 7 PE runs. The aircraft is placed 21 above
the half space with & =4.5, 4 =1.0 and 0=0.01.

30
25

20
15
10

Bistatic RCS(dB

5 b Free Space
- = = :Half Space

-10

90 -70 -50 -30 -10 10 30 50 70 90
Theta(degree)

Fig. 8. Bistatic RCS of an aircraft at the frequency of 1
GHz.

IV. CONCLUSION
In this paper, the vector parabolic equation method
is used to analyze the electromagnetic scattering from
electrically large PEC objects in half-space. Both the
incident field and the reflected field from the ground
plane illuminate the objects through the inhomogeneous
boundary conditions. The numerical results are

ACES JOURNAL, Vol. 30, No. 8, August 2015

compared between the proposed method and the
MLFMM. It can be found that there is a good
agreement between them for the three-dimensional
electromagnetic scatterings in half-space. Moreover, the
proposed method can give encouraging results with less
CPU time and smaller memory requirement than the
MLFMM.
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Abstract — In this paper, application of an integral
equation based domain decomposition method (DDM),
developed for numerical solution of one-dimensional
Fredholm integral equations of the second kind, is
extended to electric field and mixed potential integral
equations in two dimensions. Even though the original
DDM was developed based on the Nystrom method,
results of the present work shows that meshfree approach
can also be utilized. The extended DDM is employed for
efficient meshfree analysis of planar microstrip array
structures in the sense of reduced-size shape function and
stiffness matrices. Results are validated by method of
moments.

Index Terms — Array, domain decomposition, EFIE,
meshfree, microstrip, MPIE.

L. INTRODUCTION

The purpose of Schwarz, when developed the
domain decomposition method (DDM), was solution of
boundary value problems over non-canonical domains
[1]. Currently, this method follows diverse targets which
the most famous of them is parallel processing [2]. In this
application, the problem is decomposed to several
smaller size problems and each of them is passed to a
processor of a parallel processing architecture. DDMs
are also a mean for hybridizing different numerical
methods, where each domain of the problem is analyzed
by its own proper numerical method [3]. The said two
applications of DDMs are independent of numerical
method(s) used for discretization of the original problem
domain. Besides, DDMs are helpful in efficient solution
of problems by meshfree methods (MFMs), at least, from
two aspects. First, when using radial basis functions in a
problem with large number of nodes, application of
DDMs leads to several small size shape function
matrices with relatively low order of condition numbers,

Submitted On: October 15, 2014
Accepted On: June 19, 2015

which in turn, increases the efficiency of the
interpolation process [4]. Second, noting to intrinsic
deficiency of meshfree methods in handling problems
with step-wise constitutive parameters, DDMs can be
used to decouple different media and thus, significantly
improve the efficiency of MFMs in the sense of
convergence [5]. Currently, DDMs are mostly developed
for solution of partial differential equations, with some
few ones for integral equations [6-11]. It is worth
mentioning that domain decomposition methods,
regardless of their application, can be implemented in
serial or parallel, especially, when the purpose of their
application is not parallel processing.

In this paper, the DDM proposed in [11] is arranged
for efficient meshfree solution of planar microstrip array
structures in the sense of reduced-size shape function and
stiffness matrices. This DDM is originally developed for
numerical solution of one-dimensional Fredholm
integral equations of the second kind based on the
Nystrom method. Results of the present work show that
meshfree approach can also be utilized. The main claims
of the present work are: first, the said DDM can be
generalized to handle electric field integral equation
(EFIE) and mixed potential integral equation (MPIE) in
two dimensions. Second, it can be applied to the
meshless collocation method and thus, its usage is not
restricted to the Nystrom method. It should be noted that
this DDM is non-overlapping; therefore, it is best fitted
to handle array structures.The results are validated by
method of moments (MoM).

II. OVERVIEW OF THE OIRIGNAL IDEA
In this section, the DDM proposed in [11] is briefly
introduced by considering the following IE:

lu(x)-i—J.Qu(x')K(x,x')dx':f(x), xeQ, (1)

where Q, u, £, K and / are, respectively, problem domain,

1054-4887 © 2015 ACES
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unknown function, excitation function, equation kernel
and a scalar constant. Assume:

Q=0,UQ,

QNQ, =0
This means that the problem domain is partitioned to two
sub-domains. In addition, assume:

u(x)= u (x), erl. 3)
u, (x ), x €Q,
Thus, (1) can be re-written as:
Au(x)+ IQ u, (x')K (x, x")dx’

2

+J-Q u, (x') K (x, x")dx’ (4)
=f(x), xeQ.
As well, let:
- f](x), xe) 5
f(x)_{fz(x), erz. (%)

Therefore, solution of (1) can be obtained by
solution of the following system of IEs [11]:

Auy (x)+ J.Q] u (XK (x,x")dx' =h (x), xeQ,

, (6)
Au, (x)+‘.‘Q uy (x')K (x, x")dx" = hy(x), xeQ,
where:
hl(x)zfl(x)—.l. u, (x)K (x,x")dx’, xeQ
™

h(x)=f, ()c)—jQI u (x")K (x,x")dx', xeQ, ’

which states that solution of (1) over Q can be found by
solution of (6) wherein, its first equation is over Q;, only,
and its second equations is over ), only. Numerical
solution of the (6) can be obtained iteratively by

choosing ufo) as an initial guess for #; and evaluating its
value at the kth iteration from:

B () =12 (x)
—J'Qlul(kfl) (x)K (x,x")dx', xeQ,
ﬂugkq/z) (x)+J‘Q ugkfm) (x’)K (x,x ')dx'
=n N (x), xeQ,

() =1 (x)
—J‘Q ul (x)K (x,x")dx', xeQ

. ®)

ﬂuf”(x)%—_[ﬂlugk)(x’)l( (x,x")dx'

=p (x), xeQ

for k=1, 2, .... The solution can also be computed by
starting from an initial guess for u,. Extension of the
method to more sub-domains is straightforward.

ACES JOURNAL, Vol. 30, No. 8, August 2015

III. GENERALIZATION OF THE ORIGINAL
DDM TO 2D-EFIE AND 2D-MPIE

The formulation reported in this section is restricted
to planar microstrip structure. Consider two equi-plane
non-overlapping microstrip circuits as depicted in Fig. 1.
The global domain and perimeter of the structure are Q
and 0Q, respectively (not shown in the figure). Unit
normal vectors to Q and 0Q are n (normal to the paper)
and m, respectively. It is assumed that the structure is
perfect electric conductor, placed on the xy plane and is
excited by the field El, which induces the surface current
density Js on the conductors.

Fig. 1.
circuits.

Two equi-plane non-overlapping microstrip

Equations governing Js in the EFIE and MPIE
formulations are:
{nxO[Js(p)J=ani(p), peQ ©
m-J (p)=0, pedQ '
with:

jou,(1+ kYY) [ Ga(p.p')-(-)dQ 2D-EFIE

0()={ jor[, G (p.p')-()d2 :

~(jos,) V|, G, (p.p))V'"-(-)dQ2, 2D-MPIE
(10)

where EA and G, are dyadic and scalar Green’s

function of the microstrip substrate, respectively [12].
Following the previous section, let:

Js Z{Jsl’ pGQl

; (1D
Jo PEQ,



and
e m,, pe@Q,’ (12)
m,, peoiQ,
and
- |E, Q
D (13)
E;, peQ,
and

h, (P) =E| (p)—O |:Js2 (P)], pel)

h, (P) = Elz (P) -0 |:Jsl (P)], ped,
Thus, taking initial guess for Js1, unknown current
densities Js1 and Js2 can be iteratively found from:

W ()= (p)-0[ 45 (0)], P,

nx0| 35" (p) |=n-hi" (p), peQ,

m, -3, (80, ) =0, (15)
b (p)=Ei(p)-0[ 35" (p)]. pe

nxO[Jgf)(p)] =nxh{""(p), peQ

(14)

m, - 3% (a0, ) =0,
fork=1,2,....

IV. NUMERICAL RESULTS

In this section, the generalized DDM is applied to
three microstrip array structures. The meshfree
collocation method proposed in [13] is used for
discretization of the problem domains. Results obtained
from the first two structures are compared with the
Agilent® Momentum® 2009, and result of the last one is
validated by FEKO® suite 5.5. Convergence curves
corresponding to DDM are generated based on relative
error of successive iterations, defined by:

9 =) ) /] ). (16)

where || u" = (Iﬂ| u|2 dQ)m.

A. Two-element array

This structure consists of two line-fed patch
antennas, placed vertically apart each other at distance d,
as depicted in Fig. 2. Each array element is a line-fed
patch antenna, similar to one introduced in [13]. The
excited element is the element number one. For
investigating the effect of different parameters on the
convergence trend, the array is analyzed for two different
vertical offsets; i.e., d = 20 and 2.5 mm. Simulated S-
parameter of the excited element at d = 20 mm is
reported in Fig. 3.
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Fig. 2. Arrangement of the two-element array.
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Fig. 3. Two-element array: |S;i| at d =20 mm.

The effect of initial guess on convergence is
reported in Fig. 4, where analysis is performed at the
antenna resonance frequency; i.e., 7.675 GHz. It can be
observed that the convergence is affected by the initial
guess. However, the overall convergence of the method
seems to be independent of it. The zero-valued initial
vector shows faster convergence. Thus, hereafter, all
initial guesses will be taken to be zero.

O mmemememimemn ey gy
b AW —y@ =g
2 ""-‘

23

e Y

4
5 5
6 ‘l\'\ :
7 T T — S kiai S

5 10 15 20

Fig. 4. Two-element array: effect of initial guess on
DDM convergence at d = 20 mm.
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The current distribution over the elements at d =20 mm 0 T T —d=20mm
are reported in Fig. 5, wherein for better visualization of Al i --d=25mm
the coupling effect, it is also depicted in logarithmic R
scale.
15 20
k
Fig. 7. Two-element array: effect of initial guess on
B T T - ' DDM convergence at d = 2.5 mm.
EI h As can be predicted, increase in the amount of
(a) coupling, defers the convergence of the method. As in
— the previous case, the current distributions are depicted
= in Fig. 8.

=

(b)
¥ F
Fig. 5. Two-element array: current distribution at =20 mm: (2]
(a) linear scale, (b) logarithmic scale.
. B

To study the effect of element coupling on the [
convergence, the array is analyzed at 2.5 mm distance,
which ensures considerable EM interaction. The S- (b)

parameter of the exited element and its corresponding
convergence curves are reported in Figs. 6 and 7,

> Fig. 8. Two-element array: current distribution at d=2.5 mm:
respectively.

(a) linear scale, (b) logarithmic scale.

B. Four-element array

This array is composed from four line-fed patch
antennas in a cross arrangement with d = 8 mm inter-
element spacing. Each element of this structure is a
square patch antenna with 16 mm side length, fed by a
_ microstrip line of 2.5 mm width. The transmission line is
[ § placed 8.5 mm apart from the corner of each patch.
/! Relative electric permittivity and thickness of the
i - [—Mom microstrip substrate are taken to be 2.2 and 0.794 mm,
-15 x i = MFM . . . .
6 78 s respectively. The arrangement of the array is depicted in
f (GHz) Fig. 9. The excited element is again, the element number

one. Such a structure can be used for generation of

Fig. 6. Two-element array: |Sii| at = 2.5 mm. circular polarized waves [14].

7.2 7.4



[4]

g
-
L

Fig. 9. Arrangement of the four-element array.

Simulated S-parameter of the excited element is
reported in Fig. 10. Effect of frequency on convergence
is reported in Fig. 11, wherein = 8.4 GHz represents the
situation which the delivered EM energy to the patch is
negligible and /= 8.825 GHz, the antenna resonance
frequency, is the frequency that the input EM energy is
maximum. As can be seen, convergence of the method is
deferred at the resonance frequency. The current
distribution at resonance is depicted in Fig. 12.
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<-15
o
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Fig. 10. Four-element array: [Sii|.
—f =8.400 GHz
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Fig. 11. Four-element array: effect of frequency on DDM
convergence.
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Fig. 12. Four-element array: current distribution at
resonance: (a) linear scale, (b) logarithmic scale.

C. 225 element array

The last analyzed structure is a 225 element array of
A2 square patches, suspended A/10 above an infinite
ground plane, where 4 is the working wavelength. The
patches are placed in a 15x15 square arrangement with
A/2 inter-element spacing. An equivalent microstrip
substrate for this case has unit electric permittivity and
thus, its analysis can be performed based on the EFIE
formulation. This array is illuminated by a plane wave at
sixty degree angle with respect to the array normal
direction. The corresponding normalized scattered field
and convergence curve are depicted in Figs. 13 and 14,
respectively. The current distributions over the nine
central elements are depicted in Fig. 15.
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Fig. 13. 225 element array: normalized scattered field.
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Fig. 14. 225 element array: DDM convergence curve.

Fig. 15. 225 element array: current distribution over the
nine central elements.

V. CONCLUSION

In this work, it is shown that the application of the
domain decomposition method, developed for numerical
solution of one-dimensional Fredholm integral equations
of the second kind with Nystrom discretization, can be
extended for efficient meshfree analysis of planar
microstrip array structures. Both of the EFIE and MPIE
formulations are considered. The initial guess can affect
the convergence trend, although the overall convergence
seems to be independent of it. The increase of EM
coupling between the elements defers the convergence
of the method. The same behavior is observed when the

ACES JOURNAL, Vol. 30, No. 8, August 2015

frequency of the analysis approaches the resonance
frequency of the structure. The results are validated by
method of moments.
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Abstract — In the paper, a Carson reciprocity theorem-
based numerical method is proposed to analyze the
crosstalk of space transient interference microstrip lines.
Firstly, the proposed method is realized via solving the
coupling voltage between the space transient
interference and the microstrip lines by the use of Carson
reciprocity theorem. Then the crosstalk between the
microstrip lines caused by the coupling voltage is studied
based on the finite difference time domain (FDTD)
method. Lastly, compared with the Baum-Liu-Tesche
(BLT) equation method, the proposed method reduces
the computational complexity without solving the
complex scattering field. In this paper, coupling between
a dipole and a microstrip line will be considered and its
coupling model will be given. FDTD and the parasitic
parameter model between the microstrip lines are used
to get the crosstalk. In addition, the crosstalk between the
microstrip lines caused by the space transient
interference is analyzed in comparison with the
impedance match and mismatch of the terminals. The
simulated results show that the voltages of the reflection
and crosstalk which are on the victim line with
mismatched loads are larger than that with matched
loads, and the fluctuate time of the signal on the victim
line with mismatched loads is over two times than that
with matched loads, which help to verify the
effectiveness of the proposed method. Moreover, when
we analyze the electromagnetic problems on the surface
of the arbitrary shaped ideal conductor, the image
method is unavailable because the surface of ideal
conductor is not infinite, while the analytic method is
unavailable either, on account of the boundary of the
ideal conductor is irregular. So the conventional
approach is difficult to solve the problems, but the
proposed method can work well for the problems due to
the fact that it has nothing to do with the boundary shape,
and it is only connected with the source and its field.
Therefore, the proposed method is suitable for a wide
range.

Index Terms — Carson reciprocity theorem, crosstalk,
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FDTD, space transient interference.

L[. INTRODUCTION

Printed circuit board has been widely applied to
various kinds of electronic devices due to its small size
and high integration. With the rapid development of
integrated circuit technologies, the PCB has been
developed to carry out the high density, high speed and
multiple stratification, which may cause electromagnetic
coupling in high frequency and signal integrity problems
such as ringing, overshoot, and crosstalk and so forth,
Among these signal integrity problems, crosstalk is one
of the most serious issues, which has been widely
studied.

Crosstalk has been extensively researched and
reported [1-8]. Shahid studied on the model structures
inside the coupled microstrip lines and their correlation
with crosstalk between the microstrip lines by using
FDTD and singular value decomposition methods [4].
Lee and Jung investigated the crosstalk in parallel high
speed interfaces [5].

However, the space electromagnetic interference is
ignored in these reported results. The coupling between
the space electromagnetic interference and transmission
lines has been discussed [9-13]. A coupling analysis
method is proposed based on the BLT equation to study
the coupling terminal response between electromagnetic
wave and microstrip line [9]. The time-domain variant of
generalized  telegrapher equations for transient
electromagnetic coupling is proposed to analyze a finite-
length wire above a lossy half-space [10]. Transmission
line (TL) applied in lightning electromagnetic field
coupling has been reported [13]. However, these
proposed methods have a high computational
complexity. And then the researchers carried on the
further research about this problem [14-19]. Pual
proposed a SPICE model that is used to predict the
voltage and currents of the multiconductor transmission
line (MTL) excited by an electromagnetic field [14]. Gad
proposed a new algorithm to analyze the electromagnetic
(EM) coupling for non-uniform multiconductor

1054-4887 © 2015 ACES



transmission lines based on Maxwell equations [15].
Canavero gave an efficient iterative solution in the
frequency domain for electromagnetic pulse (EMP)
coupling to multiconductor transmission line (MTL)
based on distributed analytic representation [16].
However, the crosstalk between microstrip lines caused
by the coupling voltage has not been discussed in these
researches.

For these reasons, a new method is proposed to
calculate the crosstalk caused by the coupling voltage
between space transient interference and transmission
lines on the basis of the Carson reciprocity theorem. The
proposed method avoids calculating the complex
scattering field, which reduces the computational
complexity. Moreover, the proposed method is effective
to deal with the complex boundary. We get the crosstalk
voltage between the microstrip lines by the use of FDTD
and the parasitic parameter mode. In addition, the space
transient interference of the microstrip lines is discussed
in comparison with the impedance match and mismatch
of the terminals. The simulated results show that the
voltage of the reflection and crosstalk on the victim line
with mismatched loads are larger than that with matched
loads, and the fluctuate time of the signal on the victim
line with mismatched loads is over two times than it with
matched loads, which help to verify the accuracy of the
proposed method.

II. SPACE TRANSIENT INTERFERENCE
AND MICROSTRIP LINES COUPLING
ANALYSIS BASED ON CARSON
RECIPROCITY THEOREM

Carson reciprocity theorem has been used to
describe the relationship between the two different
fields, which are given by two different field sources. A
typical example shown in Fig. 1 is considered to discuss
the Carson reciprocity theorem. Here, we consider a
volume (2, which is filled with linear dielectric.

Additionally, two current source J, and J, are
distributed in the sub-volumes (2 and (2. The electric

field and magnetic field are E,, H, and E, H,
respectively.

%)

/
4

|
|
|
| - | L
| source line | /\

|
AN

N\
\

40
/s
Al
)
)
6
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Fig. 1. Description of Carson reciprocity theorem.
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According to the vector equation:
V-(AxB)=B-(VxA)—A-(VxB), )
where A and B are the arbitrary vectors. Combining

Fig. 1 with formula (1), we can get the following
equations in £2:

VA(E,xH)=H,-(VXxE)-E, (VxH,), (2)

V-(E,xH)=H, (VXE,)—E,-(VxH,). (3)

According to the Maxwell equations in frequency
domain, we can obtain:

VxE = -jwpH
{fol =J+jweE
On the basis of the Maxwell equation and the
formula (2), (3), we get:
V-(E,xH,)~(E,xH))=E,-J,~E,-J, (5

4)

where J, is the current source of source line, and J, is
the current source of the dipole. Considering formula (5)
and Gaussian theorem, we get:

§ [(E, x 1)~ (E, x I, )]-dS =

’ (6)

jQ(Eb J, —E, .J,)do.

In formula (6), S is the boundary of 2. When 2

is an infinite space, S can be regarded as an infinite

surface of a sphere. Thus, the electromagnetic wave on

S is TEM wave, which satisfies E = ZH xé,, where Z

is wave impedance and €, is unit vector. Then, the

integration of left hand of formula (6) is zero. Thus, the
right hand of formula (6) can be written as:

| E,-Jde=( E, J,do, (7)

which is the so called Carson reciprocity theorem
equation. In order to better understand the coupling
between microstrip lines and space transient
interference, a model of microstrip line marked as source
line and interference source dipole is built as shown in
Fig. 2.

R
‘ Ar S E, 1,
dipole S ~
S ¥ ‘
dl > ) <
I g AR
A source line

Fig. 2. Coupling model between the dipole and the
source line.

The far field of the dipole is expressed as:
E, =L (1.dl)e 7 sino. (8)
4r

Then, according to the Fig. 2, the coupling voltage
on the source line caused by the dipole is below:
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1 ¢ = =
=—IE,, 1dl, 9)
1,

where [, is the inspiriting current, when the source line
acts as the emission antenna, / is the current

distribution in the emission antenna. After that, we have:

1 ¢ = -
o=T [ E,-Jde, (10)

where IbdizjbdQ is used in (10). Considering
Carson reciprocity theorem, we have:

1 = =

g =ZL)EH J,d e, (11)
and

J, =B Y er L Gng (12)

Jjou aso

Based on (1 1) and (12) we have:
_ 1 AZ i sin . (13)
lo Jaw

By using (13), the coupling voltage V,, between the
source line and the dipole can be obtained.

III. CROSSTALK ANALYSIS ON
MICROSTRIP LINES USING FDTD
In this section, ¥, is added to a homogeneous and

loss-less microstrip line, as shown in Fig. 3. Here, the
port 1 is excited by ¥, while other ports are terminated

with the linear loads. Port2, port3 and port4 are
terminated with R R, and R, respectively. The

LO>
voltage and current of the homogeneous and loss-less
parallel microsrip lines meet the following telegraph
equations:

V(z,1) _ 8I(z t)

Faa —L(z)—=~ (14)
ol(z,t) 8V(Z t)
“a O (>

Then combine the boundary equatlons of the parallel
microstrip lines with the telegraph equations we can
obtain the crosstalk voltage.

Fig. 3. Model of microstrip lines with coupling voltage
V.

s0°
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Taking the FDTD into consideration, the discrete
model of the microstrip lines is shown in Fig. 4, where:

V_Vso R_R:OO
lof 1o R

) w0
2

Ve i) Ly Vv
H EH B
Iy
R,
H H B

Fig. 4. Discrete model of the microstrip lines based on
FDTD method.

Then, combine the Fig. 4 with the formula (15) we
get the difference equations at the source end and load
end as shown in formula (16), (17) respectively:

1 1
i([]n*i _Ion §)+ALZC(VI»1+1 _Vln) =0, (16)

1
iy 1 n+ n+
E(INH _IN 2)+EC(I/N+I I_VNH I)ZO' (17)

By considering the average I, and 1

va» We have:

1 n+l n
é(II"E i)Jr—C(V”” —yry=0, (18)
I I . N )
E( - 2 - -1, 2)+EC(V7\/+1 I_VNH):O' (19)

From the discussions above, the boundary equations
at source end and load end as shown in formula (20), (21)
respectively:

1 1 1
Vi 2=V, 2()-RI *(1), (20)
1 1 1
VN+12(t):VL 2(t)_RLIL (). (21)
Then we have:

I/1n+l +I/1n _ I/SrHrl +I/Sn _RS Isn+1 +Isn ’ (22)

2 2 2
VN+1 +VN+1 VLnH"'Vn -R, IWH IL ) (23)

2 2 2

From the equations (18), (22) and (19), (23), we can
obtain the following iterative equations of V, and ¥V, ,
p —(AZR C+Ey [(AZR C-EW'-
(24)

IR+ (V7 4V,



Vil =CER,CHE)V [ R,C-EW,. +
' At At }
. (25)
2RI, 2+ (V" 4V )],
where C and L are the distributed parameter matrices
and E is identity matrix. From (14) and (15), the
iterative equations of voltage and current at k segment
are:

1 1
p, :Vk"_%clak" P_0,"%) k=23,...N, (26)

n+§ n+l At

I =1, E—EL’I(VM”“—V[“) k=1,..N, (27)

where Af is the temporal offset and Az is the spatial

offset, which should satisfy Ar < Az and c is the speed
c

of light.

IV. NUMERICAL RESULTS
In this section, the performance of the proposed
method is verified in comparison with Carson reciprocity
theorem and BLT. To show the performance of the
Carson reciprocity theorem, coupling voltage in the time
domain is studied and compared with BLT. We get the
BLT equations of the load voltage:

-
e e ST ) e
Vio 0 1+ p, e —p, S,

In the equation, Zo is the characteristic impedance
and y is the propagation constant of the microstip line,
_ Rwo—Zo _ Ru—Zo

Ro+Zo Ruo+Zo
consider the p, and p, are zero, then we can get the

) X In this paper, we

S . .
Vso= —; While according to the Agrawal model, we can
e

solve:
Lt aom, '
S:= 7510 &IV (x) = Zol (x)]dx
) i . 29
[e 7 —1)(Zo+ L% Evd 29
_ 1207
2(y + jk)
where
V. =E"™ (x,d)—E™(x,0), (30)
and
. I~
I = —ja)cj0 E’(x,2)dz. (€2))

Here, E" and E!™ are the components of E, in

the x direction and z direction. / is the length of the
microstrip line, d is the distance from the microstrip
line to the reference plane, k = w/c. Then,
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(k) Jou |z
eI _11(Zo+ LM Erd
[ 1ot o E

2(y +jk)
We make Fourier inversion for equations (13) and (32),
and then we can get the waveform figure in time domain
as shown in Fig. 5.

Vso =

(32)

0.64 —#— The proposed method|
—e— The BLT method
> 0.54
=)
g 0.4+
Ei
< 0.3
0.24
0.14
0.0 T T T T
0 1 4 5

Time t/ ns

Fig. 5. Coupling voltage characteristics.

It is found from Fig. 5 that, the trend of the voltages
between Carson reciprocity theorem and the BLT
methods are coincident, but there is a little bit difference
in the value of the voltage between the proposed method
and the BLT method. As shown in formula (32), when
we solve the coupling voltage V,, with the BLT method,

it is only considering the coupling from the field E , to
the microstrip line without considering the radiation field

Ea caused by the current on the microstrip line. While

the proposed method considered it. So the Carson
reciprocity theorem method is more accurate to solve the
coupling between space transient interference and
microstrip lines. Moreover, we can see the BLT method
has a complex calculation from formula (29) and (32).
Since the radiation of dipole is spherical wave, the
current distribution on the microstrip lines caused by the
dipole is shown in Fig. 6. The line on the left side is the
source line, and the right one is the victim line. It is
observed that the crosstalk exists on the microstrip lines.

B __i/m Clos) |
[ 0.253
0.151
0.0904
0.0539
0.032
0.0188
0.0109
0.00618
- 0.00334
A 0. 00164
e 0. 000614
0

L

Fig. 6. Surface current distribution on the microstrip
lines excited by dipole.
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In the simulation, the substrate was FR4 with a
relative permittivity of 4.7, loss tangent of 0.002, and
substrate thickness of 1.5 mm. We set At =10"!s and Az
= 3*10" m. The maximum time step was t__ =500 in
the FDTD simulation. The length of the parallel
microstrip lines is set as 6 cm and the width of the
microstrip lines is set as 1| mm. The distance between the
two microstrip lines is 2 mm and the thickness of the
microstrip lines is set as 1.4 mm. The distributed
parameter matrices are:

309 21.7
L= nH /m, (33)
21.7 309
and
144 —6.4
= F/m. 34
{—6.4 144 }p " 34

Example 1: A/l the ports with matched loads

To solve the near-end crosstalk (NEXT) and the far-
end crosstalk (FEXT) between the source line and victim
lines, all the ports were matched with 50 Q linear loads
in this example. The simulated voltage of the source line
was shown in Fig. 7. It can be seen that the signal
transmission period on the source line without distortion

-2
g 0xX107m 3910105039,
1.524x10°m/ s

Then according to the voltage of the source line, we
get the voltage distribution of the victim line at near-end
and far-end with HyperLynx software and Carson
reciprocity theorem method as shown in Fig. 8 and Fig. 9,
respectively. We can see the trend of the voltages
distribution is accordant between the Carson reciprocity
theorem and the HyperLynx software. This indicates that
the proposed method is effective to analyze the crosstalk
between the microstrip lines. But we can see the voltage
appearing with fluctuation at the near-end and far-end
with the Carson reciprocity theorem method, which is
the meshing sparseness when we solve the voltage with
the proposed method. It can be improved by increasing
the grid. Then we analyzed the crosstalk of all ports with
mismatched loads based on the proposed method as
shown in Example 2.

0.40

|
0.35- 4 o " D e R R  anannanan e S S S A A e
0304 | | —e—source line near-end|
[ —»— source line far-end

0.00 41 . , T .

Time t/ns

Fig. 7. Voltage distribution of source line.

ACES JOURNAL, Vol. 30, No. 8, August 2015

0.0141 —»— HyperLynx
0.012 —=*— Carson reciprocity theorem
0.010 Txs
P> '\\
> | \\
= 0.008- | *
> i
o |1
@ 0.006 - i
G I
> 0.004 4 {1
IR}
0.002 1 r
\\
0.000 - “W—i—i—i—i—b—b—b—i—i—i—b—b—b—k
T T T T
0 1 2 3 4 5

Time t/ns

Fig. 8. Voltage distribution of victim line at near-end.

0.004 —»— HyperLynx
—*—Carson reciprocity theorem
00021
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NAARX
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> \‘\‘ \‘\
= |
=2-0.0024 |||
2 | |
S . i |
>° 0.004 \“\‘“ “
|
-0.0064 | \h\ ‘\
-0.008 l)
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Fig. 9. Voltage distribution of victim line at far-end.

Example 2: A/l ports with mismatched loads

In this experiment, the portl was 100 €, the port2
was 150 Q, the port3 was 120 Q and port4 was 300 Q.
The voltage of the source line and victim line were
described in Fig. 10 and Fig. 11. We can see that the
signal appears with serious reflection on source line in
Fig. 10. In Fig. 11, the signal on victim line appeared
seriously fluctuate, which is not only caused by the
mismatched loads, but also caused by the crosstalk
voltage from the source line. The waveform in Fig. 11 is
formed by the overlap of the reflection and the crosstalk,
which tends to be stable after 4 ns. It is two times longer
than that in Fig. 8 and Fig. 9. Thus, we can see that the
loads play a great role in the reflection and crosstalk.
Additionally, if we cannot make all the ports with
matched load, it can effectively reduce the reflection and
crosstalk by making the source end with matched load,
in the design of system.

0.5

0.4 ,,/,»y”“““““““‘
¢+/o/' —e— source line near-end|
| / .
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Fig. 10. Voltage distribution of source line.
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Fig. 11. Voltage distribution of victim line.

V. CONCLUSION

A new method has been proposed and investigated
by using the Carson reciprocity theorem to calculate the
coupling between the space transient interference and
microstrip lines. We get the coincident trend in
comparison with the proposed method and BLT.
However, the proposed method avoids analyzing the
complex scattered field, which reduces the
computational complexity. Combining Carson reciprocity
theorem and FDTD, we have discussed the crosstalk
performance caused by the coupling voltages on the
source line. Simulation results demonstrated that the
voltages of the reflection and crosstalk which are on the
victim line with mismatched loads are larger than that
with matched loads, and the fluctuate time of the signal
on the victim line with mismatched loads is over two
times than it with matched loads. So the space transient
interference can cause serious reflection and crosstalk.
The simulation results are significant in devising systems
to reduce crosstalk, reflection and enhance signal
integrity.
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Abstract — This paper work deals with design and
development of compact microstrip band-stop filter
(BSF) for radar applications. The microstrip filter
configuration consists of a transmission line and a
modified ground plane with three meander-line ring
defected ground structures (DGS). The proposed
microstrip filter fabricated on a Rogers RT/Duroid 5880
substrate with a relative dielectric constant of 2.2 and
has a very small size of 10x15x0.635 mm?. The
proposed BSF has a flat impedance bandwidth of
8-12 GHz with an insertion loss which is larger than 35 dB
and a return loss which is less than 0.5 dB at the center
of the band-stop frequency range. The operating
frequencies of the filter can be easily controlled by
changing the dimensions of the meander-line rings
without changing the area taken up by the structures.
The introduced filter has an excellent out-of-band
performance. A good agreement between measured and
simulated results was obtained. The proposed filters are
promising for use in wireless technologies for radar
communications due to their simple structure, compact
size, and excellent performance.

Index Terms— Band-stop filter, meander-line
structure, radar system, X-band application.

L. INTRODUCTION

In modern communications, one of the important
parameter is isolation between channels in a given
bandwidth. Filters with different configurations are
essential components in communication systems and
these are generally used as signal rejection for
unwanted signals and simultaneously allow the wanted
signals in required bands [1]. In recent times, the design
of filters has become an active research area as filtering
is important when used in close proximity to other
circuit components, like power amplifiers in the
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transmitter part and low noise amplifiers in receiver
part, for various RF applications [2].

Conventionally the microwave band-stop filter
(BSF) is implemented either by all shunt stubs or by
series  connected  high-low  stepped-impedance
microstrip line sections. However, generally these are
not easily available in microwave band due to the high
impedance microstrip line and the spurious pass-bands.
To remove these disadvantages, defected ground
structures for microstrip lines have been presented in
recent years. They have been presented in a number of
different shapes for filter applications [3]-[4]. The DGS
applied to a microstrip line causes a resonant character
of the structure transmission with a resonant frequency
controllable by changing the shape and size of the slot.
This technique is suitable for periodic structures and for
both band-stop and band-pass filters, e.g., [5-7].

In this paper, a novel design of microstrip band-
stop filter for X-band application is proposed. The
reason for the choice of meander-line-ring DGSs is that
these structures provide an almost constant tight
coupling with three transmission zeroes at the lower,
middle and upper frequencies of X-band frequency
range which are important to generate a good frequency
response. The designed filter has small dimensions of
10x15%0.635 mm®.

II. MICROSTRIP FILTER DESIGN

The proposed microstrip filter configuration is
shown in Fig. 1. This band-stop filter was designed on a
Rogers RT/Duroid 5880 substrate with 0.635 mm in
thickness and with a relative dielectric constant of 2.2.
For the input/output connections 50-Ohm microstrip
lines are used. The microstrip band-stop filter was
designed on both substrate sides by opening aperture in
the ground metallization under the low-impedance
transmission line. Final values of the presented band-

1054-4887 © 2015 ACES
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stop filter design parameters are specified in Table 1.

_»Y _SMA
- Connector
~ " (Port1)

Fig. 1. Geometry of proposed microstrip band-stop
filter: (a) side view, (b) top layer, and (c) bottom layer.

Table 1: The final dimensions of the filter

ACES JOURNAL, Vol. 30, No. 8, August 2015

loss

matching  for  insertion/return
characteristics is generated [3-5].
-
(a)
m =
- =
(b)

(S11/S21)

Parameter Value (mm)
I/Vsub 15
Lsub 10
Hsub 0.635

w 1.25
L 3
/4 2.5
L; 3.55
W, 1.9
L 0.6
W; 2.5
L; 0.6
Ly 1.5
Ls 4.1
L 1.1
Ly 0.9

(c)

Fig. 2. (a) Basic structure (ordinary microstrip filter),
(b) microstrip filter with a meander-line-ring DGS, and
(c) the proposed microstrip filter structure.

S-Parameter [dB]

-30r ——Basic Structure _

III. RESULTS AND DISCUSSIONS

The proposed microstrip band-stop with various
design parameters was constructed, and the
experimental results of the S-parameter characteristics
are presented and discussed. The simulated results are
obtained using the Ansoft simulation software high-
frequency structure simulator (HFSS) [7].

The configuration of the various structures used for
simulation studies were shown in Fig. 2. S-parameter
characteristics for the microstrip filter with an ordinary
transmission line (Fig. 2 (a)), the filter with a single
meander-line-ring slot (Fig. 2 (b)), and the proposed
filter (Fig. 2 (c)) structures are compared in Fig. 3. As
illustrated in Fig. 3, by these modified structures in the
ground plane, three transmission zeroes at the lower,
middle and upper frequencies can be achieved, which
provide X-band frequency range. Good impedance

_ ... The Filter with a Single
.35 Meander-Line Ring DGS -
— The Proposed Filter
40 | | 1 1 1
" 6 10 12 14 16
Freq [GHz]
(a)
T

-~ Basic Structure

_._ The Filter with a Single
Meander-Line Ring DGS
| ===The Proposed Filter [

S-Parameter [dB]
i i
s
"
S
T

| L
4 6 8

L
10 12
Freq [GHz]

(b)

Fig. 3. Simulated S-parameters for various structures

shown in Fig. 2.
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Figure 4 shows the current distribution of the
proposed filter at the transmission zeroes. It can be seen
that using the modified meander-line ring slots as a
defected ground structures have effect on the overall
performance of the filter. As shown in Fig. 4 (a), at the
second transmission zero resonance, the current flows
are more dominant around the middle structure. The
first and third zero transmission resonances at the
insertion loss response of the filter (8.5 and 11 GHz)
are affected from corners meander-line strutures. Figure
4 (b) and 4 (c) clearly show at the first and third zero
transmission resonances, the meander-line rings at the
corners side of ground plane act as half-wave resonant
structures [8].

JISUIT 5104002 6.80+002 5.86+002 3.40+002 2.30+001 8.80-001
| I

[A/m

T77rYYYY?

'y
Frvvy

EEAY A
A S
WEas AT LT 215
SR e R

ST R AT TR O
1 T A

A b P Apaal

Fig. 4. Simulated surface current distributions for the
proposed microstrip filter in the ground plane at: (a) 10
GHz, (b) 8.5 GHz, and (c¢) 11 GHz.

After checking all dimensions and final
adjustments, the proposed filter with final design as
shown in Fig. 5 was fabricated. After milling and
drilling and plating processes, the filter is completed by
adding the test port SMA connectors for measurements.
The proposed filter performance is measured by using
HP 8720ES network analyzer. The network analyzer is
first calibrated for the operating frequency range.
Measurement set-up of the proposed filter is shown in
Fig. 6. The microstrip filter has good S-parameters
(S11/S21) which are introduced to the filter response
from 8 to 12 GHz.

(b)

Fig. 5. Photograph of the realized printed band stop
filter: (a) top view, and (b) bottom view.

Network Analyser

y

Fig. 6. The measurement setup of the proposed filter
performance, using Network Analyzer.

Figure 7 shows the simulated and measured
insertion and return losses of the filter. As shown in the
figure, by using the proposed DGSs, we have a constant
and flat impedance bandwidth at the X-band frequency
range. The proposed band-stop filter has a constant and
flat impedance bandwidth around of 8-12 GHz X-band
with an insertion loss which is larger than 35 dB and a
return loss which is less than 0.5 dB at the center of the
band-stop frequency range [9].
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Fig. 7. Measured and simulated S-parameters for the
proposed filter.

In order to investigate DGSs further, parametric
analysis of W; and L is studied in Figs. 8 and 9,
respectively. Figure 8 shows the effect of various
dimension of W; on return loss (Si1). As observed in
Fig. 8, with the increase of Wi, the three transmission
zeroes shift to the lower frequency band. As illustrated,
when the exterior widths of the meander-line DGSs
(W)) increase from 2 mm to 3 mm, the lower stop-band
frequency is increases from 7.5 GHz to 11 GHz and
also the upper stop-band frequency increases from
10.8 GHz to 13.7 GHz.

5 Y ¢
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/] g 8 12 14 1
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Fig. 8. Simulated insertion loss (S21) characteristics of
the filter for different values of Wi.

It is obvious that the variation of W can change
the physical length of DGSs significantly. Additionally,
the zero separation approximately remains unchanged.
From these results, we can conclude that the stop-band
operation is controllable by changing the size of the
employed meander-line DGSs.

The distance of embedded DGSs from corners of
ground plane is set to L. By tuning its length, the
characteristics impedance of proposed filter can be
changed. Figure 9 shows the return loss characteristics
of the filter with different values of L. The parametric
study showing the relationship between the length of L
and the corresponding characteristics impedance. As
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illustrated in Fig. 9, by properly tuning the dimensions
and spacing of L, the proposed BSF has a flat
impedance bandwidth of 8-12 GHz with a return loss
which is less than 0.5 dB at the center of the band-stop
frequency range. As seen, the proposed filter with
L=3 mm, has a good out-of-band property in compared
with different values of L.

Return Losses [dB]

—L=3.0mm
-=-L=35mm

0 | | | 1 I

4 6

10
Freq [GHz]

Fig. 9. Simulated return loss characteristics of the filter
with different values of L.

IV. CONCLUSION

In this paper, a novel design of band-stop
microstrip filter that covers frequency bandwidth of
8-12 GHz has been presented. Configuration of the
presented filter consists of a transmission line and a
ground plane with triple meander-line rings as a DGS.
The measured results have shown that the fabricated
filter has a band-stop characteristic that extends from
8 to 12 GHz. The proposed filter configuration is
simple, low-profile and can be integrated into any radar
system.
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Abstract — In this paper, a tunable bandstop filter with
bandwidth compensation is proposed. The equivalent
circuit model of the tunable capacitor network is
presented to study the tunable mechanism. The electric
coupling factor of the tunable capacitor network
increases while the tunable capacitor increases. This
mechanism can be used to compensate the bandwidth of
the tunable filter. In our work, semiconductor varactor
diode loaded microstrip LC resonator is adopted to
design a tunable bandstop filter. Each resonator requires
only one varactor diode for both central frequency and
resonator coupling coefficient control. The S-
parameters and group delays of the tunable bandstop
filter are presented. The measurement shows that the
-30 dB absolute bandwidth varies from 371 MHz to 305
MHz, while the central frequency of the stopband
varyies from 3.195 GHz to 2.285 GHz.

Index Terms — Electric coupling, tunable bandstop
filter.

L. INTRODUCTION

Microwave bandstop filter is one of the most
important components to filter out the unwanted signals
or nearby huge power signals, and avoid frequency
aliasing in the intermediate frequency [1-3]. Recently, it
is very popular to add tuning ability to conventional
microwave components to realize electrically
tunable/reconfigurable microwave components, which
can well satisfy the requirements of modern multi-band
and programmable wireless systems [3]-[16]. Tunable
microwave bandstop filters will play a key role in the
future radio frequency front-end.

Various tuning techniques have been utilized for
tunable filter designs. Magnetic materials, i.e., ferrite
were employed to tune the stopband. However, the
magnetic bias circuit is complex and the filter size is
bulky [7]. Semiconductor varactor diode [9]-[16], liquid
metal [5], and micro-electro-mechanical (MEMS) [6],
[8] tuned planar resonators are used in compact tunable
bandstop filter designs. Recently, tunable filters with
constant bandwidth or controllable bandwidth are
becoming an attractive topic in this area [10]-[16].
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However, few works on tunable bandstop filter with
constant bandwidth or controllable bandwidth have
been reported in the literature. In [15], a constant
bandwidth tunable bandstop filter was designed based
on a dual-band circuit with a wide passband and
integrated narrow stopband. In [16], a mixed electric
and magnetic coupling structure is introduced to obtain
tunable bandstop filter with constant absolute
bandwidth.

In this paper, a novel approach is proposed to
design electrical tunable bandstop filter with bandwidth
compensation. A tunable capacitor network with
controllable electric coupling coefficient is proposed.
Based on the simple electric coupled tunable capacitor
network, the bandwidth of the bandstop filter can be
compensated. The tunable bandstop filter is designed,
fabricated and measured.

II. FILTER DESIGN THEORY

From the microwave filter coupling matrix theory
[17], the coupling matrix between the resonators can be
written as:

= ki,.ff(‘) — ki,.f , (1)
"' ABW FBW
where, ki; (ij=1,2,...) is the coupling coefficient, FBW
is the fractional bandwidth, ABW is the absolute
bandwidth, f; is the center frequency.

Since the frequency response of the filter is
determined by the coupling matrix, equation (1) shows
that constant ABW tunable filter requires the product of
coupling coefficient and center frequency is constant. It
means that, the coupling coefficient should increase
while the central frequency of the tunable filter
decreases.

Figure 1 (a) shows a second order LC resonant
network with electric coupling (C,). The resonant
frequency decreases when capacitor C increases. The
coupling coefficient k can be expressed as:

C
=k, ==, 2
= 2)

where, k. is the electrical coupling coefficient, C is the
resonant capacitance, C, is the electrical coupling

1054-4887 © 2015 ACES



capacitance. Since the coupling capacitor is too small to
be efficiently tuned by semiconductor process in
microwave band, it can be seen from equation (2) that
the coupling coefficient decreases when the capacitor C
increases, therefore the FBW decreases when the
resonant frequency of the LC resonator decreases.

The traditional method to control the coupling
coefficient is based on mixed coupling (Lm, Cpu), as
shown in Fig. 1 (b). Due to the cancellation of magnetic
and electric coupling, the coupling coefficient can be
written as [18]:

k:km—ke:ﬁ—&, 3)

L C

where, k, is the magnetic coupling coefficient, L is the
resonant inductance, L, is the mutual inductance. The
resonant frequency decreases when capacitor C
increases, and the coupling coefficient increases.
Therefore the FBW increases when the resonant
frequency decreases. The bandwidth can be
compensated. However, this method cannot be used in
the filter topologies with pure electric coupling.

Cm
L L
C C
()
Lm
¥ \
|_ [ CC [ L
C C %
(b)

Fig. 1. Second order coupling network: (a) electrical
coupling, (b) mixed coupling.

Figure 2 shows the proposed tunable capacitor
network  with  controllable electrical  coupling
coefficient. The traditional capacitor network of C and

C, is replaced by the novel capacitor network of Cr, Cr

and C.. By using the symmetry of the circuit model in
Fig. 2, the odd- and even-mode capacitor Cous and Ceyen
can be written as:

co_ Cr Cf +2C, @
M rc, 2,
crC
Ceven = L ®)

Cr+Cy’
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Based on equation (4) and (5), the electric coupling
factor k. of the tunable capacitor network can be written
as [18]:

_ Codd _Ceven _ Cc (6)
‘ CoderCeven Clzf +2Cch .
Cr+Cot—"

Cr

By studying (6), it shows that k. increases when Cr
increases, and the slope of k. to Cr can be controlled by
C.and C;. Let Cr to be the tunable capacitor, it can be
seen from equations (4) and (5) that the tunable ratio of
Coaa and Ceyen 1s limited mainly by Cp. While Cy
increases, the tunable ratio increases. Benefiting from
the resonant frequency splitting effect, the bandwidth
can be controlled by the coupling coefficient. Thus, this
mechanism can be applied to compensate the
bandwidth of the tunable filter.

4

oL L
heas
f—or —Orf

Fig. 2. Tunable capacitor network with controllable
electrical coupling coefficient.

1. DESIGN AND MEASUREMENT

Figure 3 shows the layout of the proposed bandstop
filter based on novel tunable capacitor network with
controllable electric coupling coefficient. The filter is
designed on 0.8 mm F4B-2 substrate (&=2.65,
tan6=0.001). Skyworks SMV1405 is chosen as the
varactor diode, the anode and cathode terminals of the
varactor diodes are connected between the capacitor
and inductor of the LC resonators, respectively. Three
100 kQ resistors are chosen as the biasing RF choke, as
shown in Fig. 3. A lumped element equivalent circuit
model for the tunable capacitor network of the LC
resonators is depicted in Fig. 3. In this model, the
microstrip patch of the LC resonators is modeled as the
capacitor Cr. C. indicates the electric coupling effect
between the two resonators, and Cr is the varactor
diodes.
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F4B-2
£,=2.65

tan6=0.001
h=0.8 mm

Fig. 3. Schematic diagram of the proposed tunable
bandstop filter.

Figures 4 (a) and (b) show the simulated [S2i,
-30 dB ABW and FBW of the tunable filter. The passive
structure of the filter is simulated by electromagnetic
(EM) simulator SONNET. Then, the EM simulated
touchstone file (SnP file) of the passive filter loaded
with tunable elements, i.e., SMV 1405, 100 kQ resistor,
and an additional ideal electric coupling capacitor AC
as shown in the inset of Fig. 4 (a) and (b), is simulated
in Agilent Advanced Design System (ADS).

0
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< 41 025
o =
S 0.1 {02
o«
y 4 0.15
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= 41 0.1
0 L 0.05
1.9 2.6 3.3
Frequency (GHz)
(b)

Fig. 4. Simulated results when the reverse voltage of
the varactor diode varies from 0 V to 20 V, and an
additional coupling capacitor AC between the
resonators varies from -0.3 pF to 0.3 pF: (a) |Sa, (b)
-30 dB ABW and FBW.
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It shows that, the FBW of the tunable filter
increases while the working frequency decreases. The
slope of FBW to the central frequency can be controlled
by the electric coupling capacitor. Therefore, the
bandwidth of the tunable filter can be compensated.

The tunable bandstop filter is fabricated and
measured for the validation of the proposed method.
The layout shown in Fig. 3 is fabricated on 0.8 mm
F4B-2 substrate (&~2.65, tan6=0.001). The core area is
15 mm x 14 mm. Skyworks SMV 1405 is chosen as the
varactor diode, and the varactor diodes are biased
through 100 kQ resistor RF choke, as shown in Fig. 5.
The measurement is done by Agilent ES071C vector
network analyzer. The measured results are shown in
Fig. 6.

Figure 6 (a) shows the S-parameters of the tunable
bandstop filter; the stopband of the filter can be tuned
very well. Since the filter is a lumped-element
microstrip filter, it exhibits small physical size and
broad spurious-free frequency bands. While the reverse
bias voltage V¢ of the varactor diodes is 0 V, 5 V, and
20 V, the |S21| and group delay are shown in Figs. 6 (b),
(c), and (d), respectively. The measured group delays of
the passbands are less than 1 ns and the rejection of the
stopband is better than 30 dB. Figure 6 (¢) summarizes
the measured -30 dB ABW and FBW versus the central
frequency of the stopband. The FBW varies from
11.14% to 13.35%, and the ABW varies from 371 MHz
to 305 MHz, while the center frequency of the filter
varies from 3.195 GHz to 2.285 GHz.

SMV1 405

Fig. 5. The photograph of the fabricated tunable
bandstop filter.
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Fig. 6. The simulated and measured characteristics of
the tunable filter: (a) the S-parameters of the tunable
bandstop filter, (b) the |S21| and group delay when
control voltage V=0 V, (c) the |S21| and group delay
when V=5V, (d) the |S21| and group delay when V=20
V, and (¢) the measured -30 dB ABW and FBW.
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Therefore, the proposed bandwidth compensation
method has been validated. Comparing with [15] and
[16], only electric coupling is used to compensate the
bandwidth in this method, and the lumped tunable
capacitor network is simple and easy to design.

IV. CONCLUSION

This paper has presented a tunable capacitor
network to tune bandstop filter. The electric coupling
factor of the tunable capacitor network increases when
the tunable capacitor increases. This mechanism can be
used to compensate the bandwidth of the tunable
bandstop filter since the bandwidth can be controlled by
the coupling factor through the resonant frequency
splitting effect. Microstrip LC resonator loaded with
Skyworks SMV 1405 semiconductor varactor diode has
been adopted to implement the tunable bandpass filters.
It shows that the -30 dB fractional bandwidth varies
from 11.14% to 13.35%, and the -30 dB absolute
bandwidth varies from 371 MHz to 305 MHz, while the
center frequency of the stopband varies from 3.195
GHz to 2.285 GHz. The tunable method presented in
this paper is simple to implement and is a good
candidate for the radio systems requiring flexible
channel control.
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Abstract — This paper presents an equivalent circuit
model of metamaterial absorber (MA) based on triple
hexagonal shaped resonators. This metamaterial unit cell
absorber possesses a nearly wide angle perfect
absorption of incidence wave and polarization
independence. The absorption is occurred in three
different frequencies. The absorptivity is as high as 98%,
93% and 94%, at 3.5 (GHz), 4.7 (GHz) and 6.6 (GHz),
respectively. The equivalent circuit model of a single
hexagonal ring has been extended to the triple band
absorber structure. The simulation of the circuit model
agrees well with the full-wave simulation, regarding to
return loss and absorption. The important features of this
method are simple fabrication of metamaterial absorber
and maximum absorption in three frequencies. The
proposed metamaterial absorber has wide applications
such as thermal detector, stealth technology and
imaging. Moreover, a very good agreement between
simulation and measurement results has been observed.

Index Terms — Circuit model analysis, metamaterial
absorber, triple band, wide angle independent.

L. INTRODUCTION

Electromagnetic metamaterials (MTMs) are defined
as artificial and effectively homogeneous electromagnetic
structures with unusual and unique properties that do not
exist in the nature. Metamaterials were first introduced
theoretically by Veselago [1]; his research was continued
by Pendry, et. al. and Smith, et. al. [2-4].

These constructed engineered electromagnetic
materials are composed of natural materials such as
highly conductive and shaped metals and dielectric
materials that will be selected according to the frequency
range and the application. The advantage of the
variability of the structural parameters has been
implemented to create the resonant metamaterial
absorbers. Basically, to design an absorber, we have to
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maximize the absorption coefficient. It is equivalent to
minimize both the transmission (T) and reflection (R)
coefficients in the equation:

A=1-T-R, (1
where A is absorption coefficient [5].

In this paper, we propose a novel planar
metamaterial absorber which absorb the electromagnetic
wave at nearly 3.5 (GHz), 4.7 (GHz) and 6.6 (GHz) with
absorption rate 98%, 93% and 94%, respectively. It is
observed that the metamaterial absorber is polarization
insensitive for both transverse electric (TE) and
transverse magnetic (TM) waves. Also, measured and
simulated results are compared. Accordingly, it can be
concluded that these results are very close to each other.
The proposed metamaterial absorbers in many articles
have only one absorbtion frequency [10]-[12]; also,
some of them do not have the feature of simple
construction and the absorption is not close to the
maximum value [13], but the proposed metamaterial
absorber in this paper has the advantage of simple
fabrication and the maximum absorption at three
absorber frequencies.

II. DESIGN AND SIMULATION
As shown in Fig. 1, the proposed metamaterial unit
cell is considered as a hexagonal shape. The metallic
structures on the top and bottom layers of the substrate
are chosen as copper, the electrical conductivity and

thickness is 5.8 x107(s/m) and 0.036 (mm), respectively.
The substrate of absorber is FR4 (¢, =4.3,tano = 0.025)

with 1.6 (mm) thickness.

The simulation is done by Ansoft HFSS and CST
software’s with periodic boundary conditions. The
boundary surfaces perpendicular to the incident
electrical field (E) are defined as perfect electric
conductor (PEC) surfaces, while the surfaces
perpendicular to the incident magnetic field (H) are

1054-4887 © 2015 ACES



defined as perfect magnetic conductor (PMC) surfaces.
Finally, the surfaces perpendicular to propagation vector
(k) are defined as open ports.

The absorption is calculated as:

2 2
A(@)=1-I3,)| -[s,[", 2)
where
2
R(@)=[S,[ . (3)
represents the reflection, and
2
T(0)=|S 4)

represents the transmission. Due to the presence of the
metallic ground plane on the bottom side of the absorber
the T(w) is zero so, the absorption can be expressed as:

A(w):1'|sll|2 : ®)

P

2,

.

Fig. 1. Unit cell geometry and design parameters:
a=b=20 mm, p=17.4 mm, and g=1.2 mm.

b

The absorption and reflection of the proposed
structure is shown in Fig. 2. It is evident that near the
frequencies of 3.5 (GHz), 4.7 (GHz) and 6.6 (GHz) the
reflection reaches its minimum value and the absorption
rate reaches to 98%, 93% and 94%, respectively.

The first absorption frequency is occurred due to the
largest perimeter hexagonal and the medium and
smallest hexagonal will result in the second and third
absorption.

Figure 3 shows the surface current’s distribution on
the smallest hexagonal which causes the third absorption
at the resonant frequency (6.6 GHz). It implies the
absorption mechanism of such metamaterial absorber.

For electromagnetic wave normal incidence, the
currents on the absorber are symmetrical and counter-
circulated between the left and right parts, providing an
electric response similar to an electric-LC resonator.
There is a magnetic response associated with a
circulating displacement current between the resonator
and the ground plane (bottom side of substrate). The
electric and magnetic response appeared simultaneously
at the absorption frequency. In this resonance condition,
the effective impedance is defined as [10]:

(@)

Z(w)= % . (6)
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In order to make the minimum reflection, the
effective impedance has to be matched to free space
impedance. This phenomenon is happening in the
resonance frequency.

Moreover, due to the resonant loss in the metallic
resonator and the dielectric loss of substrate, the
transmission in the metamaterial absorber is effectively
reduced.

So, the metamaterial absorber proposed in this paper
can absorb both the incident electric and magnetic fields.
This absorption mechanism is similar to the common
published metamaterial absorbers as shown in [6-9].

- T ’_________.._~

|

N R\ '\
Jo N ) ot \
N

=== Absorbtion
35 4 45 5 55 6 6.5 7
Frequency(GHz)

____.----"'-

s

Fig. 2. Simulated reflection and absorption of the
proposed metamaterial absorber.
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Fig. 3. Current distribution on the metamaterial unit cell
at third resonance frequency (6.6 GHz).

In order to find the influence of polarization and
incident angle on the performance of the proposed
metmaterial absorber some simulations were performed.
The structure was simulated by a 3D full wave
electromagnetic simulator CST based on the FDTD
method as shown in Fig. 4. The result of the absorption
under different incident angles for TE and TM
polarizations have been demonstrated in Figs. 5 and 6
respectively. As shown in these figures, the strength of
the absorption is close to maximum for all incident
angles from (F to 45 regardless of the mode. This fact
represents the independence of metamaterial absorber to
the angle of incident for a wide range.
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It is evident that the main peak of the absorption is
above 90% for both TE and TM cases at different angles.
Also, the resonant frequencies for both TE and TM
polarization are the same implies the polarization
independence of the absorber.

So, the proposed metamaterial unit cell is flexible
and has multi directional structure. It is evident that a
very small and negligible difference is observed between
the TE and TM modes by changing the polarization
angle. The simulated results show that the proposed
metamaterial absorber can be operated for a wide range
of incident angles with arbitrary polarizations.

Fig. 4. The simulated structure by CST.

3 35 4 4.5

5
Frequency(GHz)

Fig. 5. Absorption at the different incident of
polarization angles ranging from (Fto 45 for TE mode.

Absorbtion
-

i i
3 35 4 45 5 55 6 6.5 7
Frequency(GHz)

Fig. 6. Absorption at the different incident of
polarization angles ranging from 0 to 45 for TM mode.
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II1. CIRCUIT MODEL ANALYSIS

A circuit model for an individual closed ring
resonator (CRR) based structure backed by copper
lamination is proposed in [14]. A closed ring could be
modeled by the circuit model which is presented simply
in Fig. 7 (a).

The resonance is modeled by the parallel inductance
and capacitance. A single band absorber can be
considered as a parallel LC circuit. The resistive part in
series with the inductive part models the resonator
losses. The magnetic and electric excitations give rise to
the effective inductance and capacitance respectively in
the circuit model. The result of s parameter simulation
with AWR has been presented in Fig. 7 (b) shows a good
agreement with the EM simulation.

When the electromagnetic plane wave impinges the
proposed absorber all the three CRRs will be excited
simultaneously. The complete circuit model of the
absorber with all three coupling resonator circuits has
been shown in Fig. 8. The extra capacitances were used
to model the mutual coupling effects between resonators.
The reflection coefficient of the complete circuit model
is presented in Fig. 9, which represents a good agreement
with EM simulation. Through this circuit model the
resonance frequencies could be tuned easily.

AR
Z=50 Ohm
RES
ID=R3
R=0.7553 Ohm
—L— CAP
ID=C3
— — C=4578pF
IND
ID=L3
L=0.1237 nH

(a) Circuit model of small ring

S11(dB)

. \ /
Y

6 6.5 7

35 4 4.5 5 5.5
Frequency(GHz)

(b) CRR reflection coefficient based on circuit model

Fig. 7. CRR unit cell circuit model and simulated S-
parameter.
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Fig. 8. Circuit model of triple band absorber.
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Fig. 9. S-parameter of simulated circuit model.

IV. FABRICATION AND EXPERIMENT
RESULTS

To verify the full-wave simulations, a 15%15 unit
cells sample (300 mm x 300 mm X 1.5 mm) was fabricated
by printing a planar array of designed hexagonal shaped
structure on the front side. A complete ground plate was
placed on the back side of a FR-4 substrate. The
thickness of the substrate is considered 1.5 mm and
printed-circuit-board (PCB) technology was used for
fabrication. The photograph of the experimental sample

of proposed MA is shown in Fig. 10. A vector network
analyzer Agilent E8363C and two linear polarized horn
antennas were used to transmit TEM waves in the range
from 3 GHz to 7 GHz to sample and receive the reflected
signals. The location of the absorber was far enough
from the horn antennas so that the incidence could be
recognized normal to the sample. As demonstrated in
[11], the experimental measurement is carried out in two
steps. In the first step, the reflection measurements
should be calibrated using a copper sample-sized sheet
as a reflecting mirror. The measurement is done by a
ground copper plane with the same dimension as the
sample used for measurement and this is used as
measurement reference.

In the second step, the fabricated sample of the
metamaterial absorber is tested and the S-parameters are
recorded. The differences between the measured results
of the first and second steps represent the modified
reflection coefficient from the proposed MA [11]. The
reflection coefficient and the absorption of the
experimental proposed metematerial absorber is shown
in Fig. 11. The measured and simulated absorption of TE
and TM modes as a function of the frequency are shown
in Fig. 12 and Fig. 13, respectively. It is observed that
the simulation and experimental results are in a good
agreement.
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(b) An isolated unit cell

Fig. 10. Photograph of fabrication of proposed metamaterial
absorber.
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Fig. 11. The reflection coefficient and absorption of the
experimental proposed metematerial absorber.
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Fig. 12. The measured and simulated absorption of TE
mode as a function of the frequency.
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Fig. 13. The measured and simulated absorption of TM
mode as a function of the frequency.

V. CONCLUSION

In this paper, a novel metamaterial unit cell absorber
based on triple hexagonal shapes has been presented.
Simulations demonstrated that due to the hexagonal with
different perimeters, absorption occurs at three different
frequencies. Metamaterial absorbers that were used in
many articles have only one absorption frequency, but in
this paper, maximum absorption is observed in three
frequencies. Compared to other researches, absorption is
very close to its maximum value. It could be found that
the absorber is polarization independent and could be
worked for a wide angle of incidence. An equivalent
circuit model was represented for modeling the absorber.
The results are in a good agreement with simulation and
measurement results. The geometric parameters that
influence the resonance of the absorber were further
discussed, which shows that the absorbing frequency
could be shifted by adjusting the space of hexagonal.
Also, the fabrication results of the proposed
metamaterial absorber are demonstrated that the
simulation and experimental results are in a good
agreement.
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Abstract — This paper presents a complete distributed
transmission line signal and noise modeling of
millimeter wave CMOS transistor. In this model, the
MOSFET transistor is considered as a three-coupled
active transmission line structure, exciting by the noise
equivalent sources distributed on its conductors.
According to the transmission line theory, closed form
expressions of the signal and noise parameters for a high
frequency CMOS transistor are derived as the function
of device width. By using the proposed model, the
scattering and noise parameters of a 130 nm MOSFET
are computed over a frequency range up to 100 GHz. The
results obtained by this approach is compared with the
lumped elements model and verified by the simulation
results of Cadence SpectreRF simulator.

Index Terms — Cadence, CMOS transistor, coupled
active transmission line, distributed transmission line
model, lumped MOSFET model, millimeter wave.

L. INTRODUCTION

With the advancement in CMOS technology, the
MOS transistors are scaled down into deep submicron
regime with higher transit frequency. The high frequency
capabilities of MOSFETs are very attractive for
millimeter (mm) wave circuit design due to their ability
of chip integration, low cost and low power consumption
[1]. As the operating frequency of MOSFETs increases
to the mm-wave range, the width of the device becomes
comparable to the wave length. In such cases, the
distributed transmission line effect needs to be
considered accurately, in device modeling.

In previous works [2], [3] and [4] the distributed
transmission line effect along the gate width has been
studied. In these distributed models, the gate width is
divided into finite number of slices that are connected
together by using of series of scaled gate resistor. In [2],
the thermal noise due to the gate resistance was
incorporated in the model. In [3], MOSFET distributed
model of [2] is improved by including the distributed
charging resistance and the induced gate noise along the
gate width. Nevertheless, in these studies only
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distributed behavior of transistor along gate electrode
width is modeled and other electrodes are ignored.
Furthermore, the effects of the transmission line
capacitances and inductances along the device width are
not considered.

In this paper, a complete distributed transmission
line signal and noise modeling of mm-wave MOSFET
transistor that considered it as the excited three-coupled
active transmission line structure, exciting by noise
equivalent sources distributed on the conductors, is
presented. The details of the proposed model are
described in the next section. In Section III, the
introduced approach is used in signal and noise modeling
of 130 nm MOSFET and its results are discussed and
compared with lumped and previous distributed models.
Finally, the paper is concluded in the last section.

I1. DISTRIBUTED MM-WAVE MOSFET
MODELING

A. Distributed signal analysis

The proposed distributed model considers the
MOSFET as three-coupled active transmission line, is
shown in Fig. 1 (a). In this model, the device width is
divided into an infinity number of segments, while each
segment is separated into parallel intrinsic and extrinsic
contributions. The parameters Gm, Cgs, Cas, Cod, Rg, Ra
and Ry taken together are referred to as the intrinsic
elements and standard BSIM4 model [5] is employed to
compute them. BSIM4 is the physical MOSFET model
supplied with Berkeley SPICE and models the channel
current by using a complete single equation for both
linear and saturation regions as:

Ids — Vdsefflds() (Vdseff) (1 + Vds B Vd

Vdseff + Rds IdsO (Vdseff) VA

(11 Yo~ Vi

VASCBE
and transistor conductance Gy, can be obtained as:

Ol
"oV,

GS Vps=Const.

seff )

(1

2
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The detailed equations of laso, Vasefr, Vascae and Va
have been given in [5]. In this model, capacitances are
derived from the charges to ensure charge conservation.
The space charge of a MOS structure consists of three
fundamental components: the charge on the gate
electrode, Qg, the charge in the bulk depletion layer, Qsg,
and the mobile charge in the channel region, Qmy.
Generally, the following relationship holds in a
MOSFET:

QG +QINV+QB =0, (3)

and

Qv =Qp +Qs, “4)
where Qp and Qs are the channel associated with the
drain node and the source node, respectively.
Capacitance between any two of the four terminals (gate,
source, drain, and bulk) is defined as:

¢, -2
v,

BSIM4 provides three options for selecting different
capacitance models. By selecting different capMod
options, different model equations can be used to
describe the characteristics of the charge and the
capacitances [5]. In this model, the source/drain series
resistances are modeled by a bias-independent diffusion
resistance and bias-dependent LDD resistances.
Accurate modeling of the bias-dependent LDD
resistances is important for deep submicron CMOS
technologies. The LDD source/drain resistance Rqs(V) is
modeled internally through the I-V equation. The
detailed relationships for modeling of intrinsic
resistances have been given in [5]. Then the values of the
per-unit-length intrinsic elements can be obtained by
using scaling rules [6].

The extrinsic part models the transmission line and
distributed behavior of transistor along the electrodes
width. Therefore, the per-unit-length 3-by-3 square
impedance and admittance matrices of transmission line
MOSFET model, as a six-port structure, can be written

iorje(g,d,s,b). (5)

)l
=[G]+ jo[C]+]7, ], ©
[Z]=[2,]+ jolL]=[R]+ jeo[L]+je[L], (D)

where [C], [G] and [L] are the per-unit-length matrices
of capacitance, conductance and inductance,
respectively. The entries in these matrices can be
obtained by applying numerical methods of calculating
the per-unit-length parameters for multi-conductor
transmission lines [7], according to the electrical and
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physical characteristics of the transistor. Furthermore,
[Z] is the surface impedance matrix and demonstrates
the distributed effects and frequency-dependent losses
caused by the skin effect. The real part of [Z,] represents
the electrode resistance and the imaginary part, the
internal inductance [6]. [Yy] is used to model the
intrinsic parallel part of the distributed transistor model.
By applying the transmission line theory to the transistor
model of Fig. 1 (b), the second-order coupled equations
in the frequency-domain can be written as:

IV_d 5 5 5T (5157
LA AR L O

Al d s s s S50 5

& el A= ]2)) o
where [V] and [I] are 1-by-3 voltage and current matrices
of electrodes, respectively and functions of z and ®. For
solving the above equations, the well-known similarity
transformation solution is used [8]. By implementing

this method, the general solutions for the voltages and
current matrices can be obtained as:

10w e ) a0
(1= (e e ] ). an

where [Y,]=[Z]"[T, I[7IT, 1" is defined as characteristic

A

admittance matrix. The elements of [}] and ['I"V]

matrices are the eigenvalues and eigenvectors of [Z][\A(C] ,

respectively. By evaluating the general forms of the
solutions in (10) and (11) at z= 0 and z= W and omitting

the unknown coefficients [ £1, the 6-by-6 chain matrix

of MOSFET model shown in Fig. 1 (b), which can be
transformed to the scattering matrix form, will be
obtained as follows:

[I}’iIW,m =0 W) [I}’ilTo,m

2 2 12
_ [(I)“ s Dp 3x3il |:I} i r (12)
(W)

Dy 5 Dy s @
0 ‘ :lﬂ(e;w+e’m)f"’l
Wy ~ 27 Vo
. 1A A
2wy :_ETI/(eyW -y ITI/IZa )
e _ 1l W —W -1
21‘(W) __EYC[TV (e —€ )Ty :|,
X _ | QP W -\ -1
2l =57 V(& +e )T Z
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Fig. 1. (a) Differential part of distributed signal model of
the mm-wave MOSFET, and (b) the six-port distributed
transmission line model of MOSFET.

B. Distributed noise analysis of millimeter wave
MOSFET

To consider the distributed electrodes width effect,
the excited three-coupled transmission line structure,
exciting by noise equivalent sources distributed on the
conductors, is proposed for modeling of noise
performance of millimeter wave MOSSFETs. A full
description of the proposed model is clearly shown in
Fig. 2. The noise originated within the active region is
computed by using BSIM4 model [5]. It includes the
flicker noise, channel thermal noise, induced gate noise
and their correlation and thermal noise due to the
resistances at the terminals. Two flicker noise models are
included in BSIM4. In this paper, unified physical flicker
noise model is used. In this model, the spectral drain
current noise power density is formulated as:

Sid inv (f) Sid sub (f)
S = : ; >
l (f) Sid,inv )+ Sid,sub )]

where Siginv(f) and Siqsun(f) are the spectral drain current
noise power density of the device in the inversion and
the sub-threshold regions, respectively, which the

(14)
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detailed equations of them have been given in [5]. Such
as flicker noise, two options for the channel thermal
noise are provided in BSIM4. One is the charge-based
model from BSIM3v3 and the other is the holistic model.
In the holistic model, which is used in this paper, all the
short-channel effects including the velocity saturation
effect incorporated in the [-V model as well as the
induced gate noise with partial correlation to the channel
thermal noise are all captured in the new “noise
partition” model. In this model, two current and voltage
noise source is used for modeling. The noise voltage
source partitioned to the source side is given by:

v, =4k, TO Vo AT ,

tnoi

(15)

DS
and the noise current source put in the channel region
with gate and body amplication is given by:

5 4k, TV, Af
lj = w[GDS +ﬁrrmi (Gm +Gmhx)]2
I, (16)

- v_j(c;DS + Gm + Gmhs )2 .

Finally, the power spectral density of the thermal noise
current from the electrodes resistance is given by [5]:

4K,T 1
Sutss =y (17)

Aside from the intrinsic noise sources, the thermal
noise generated within the passive part is considered. By
considering the noise sources as excited sources, the
transistor noise behavior can be analyzed by using
excited multi conductor transmission lines solutions [9].

As shown in Fig. 2, all the noise sources of any
differential subsections of the model can be transformed
into correlated input-referred voltage and current noise
sources of a noise free network, by using circuit analysis
[10]. Then, by using Kirchhoff’s voltage (KVL) and
current (KCL) laws for the differential segment, the
frequency domain coupled first-order ordinary
differential equations of the noise transmission line
model of the transistor will be obtained:

d\v 0 —Z|v v,
pra PSR I I I 2 [P (18)
“11 (z.0) -r 07 (z.0) b

where [V, ], and [fn ], are 1-by-3 matrices of the linear

g.d,s

density of voltage and current noise sources,
respectively. Equation (18) is in the same form as state-
variable equation, thus the solution of it can be written

as[11]:
14 . 4 [0,
o= +jc1>‘( |5 dea9)
e e o e
By substituting zo = 0 and z = W, the effect of the
internal noise sources on the voltage and current of the

transistor port can be determined as follows:
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Fig. 2. Complete details of distributed noise model of the
mm-wave MOSFET as excited three-coupled transmission
line structure.

The distributed noise sources of differential part in
(21) are assumed to be independent of the device width,
since the BSIM4 model is chosen for them. The
correlation matrix for admittance representation can be
obtained by determination of the currents in short-
circuited ports of transistor [12]. By enforcing boundary
conditions to equation (20), the noise currents at the
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short-circuited ports, as a six-port active network, can be
written in the following matrix form:

; -1 - .

1 o Z7 K| |y

U= TH H (22)

Lyl |+ -2 K| L,

W.,w) ﬂ_J

for K=—7,7"'sinh™ (W )(cosh(yW)-1,,,)T," . Finally, the
correlation matrix for admittance representation of the
six-port noise model of the MOSFET can be written as
equation (23). CAU is the per-unit-length noise

correlation matrix for chain representation of the
transistor:

1110 IVIO 1 ‘;n {}n } T
Cy, =Pl | .| P (23)
InW InW ln ln
-

CAU

III. RESULTS AND DISCUSSION

The proposed approach is used for modeling of a
130 nm bulk CMOS transistor. It is sufficient to consider
introduced model for a single finger structure. Multiple
fingers transistors can be accounted as parallel multiple
single finger transistors. The transistor is biased at
Vds = 1.2 V and Ids = 7 mA. As was mentioned in the
previous section, the BSIM4 model [5], is used to
compute elements and noise sources of active part and
the per-unit-length parameters of passive part is
evaluated by using numerical method of moments
technique [7]. As shown in Fig. 1, the beginning of the
gate and the end of drain electrodes are considered as the
input and output nodes, respectively. Moreover, the
source electrodes are grounded.

The scattering and noise parameters of proposed
distributed model and Cadence SpectreRF post-layout
simulation results are displayed in Figs. 3 and 4, for an
NMOS transistor with gate width of 10 pm. The
excellent broadband accuracy of the distributed model
compared to the simulation results verifies that the
introduced model is correct and complete. Furthermore,
comparing these curves with lumped model, one can see
that third models agreed well at low frequency but at
high frequencies, the distributed effects of the
transmission line capacitances and inductances along the
device width become significant and can no longer be
ignored. The scattering parameters of the transistor with
gate width of 90 pm, over a frequency range of
DC-100 GHz, calculated by using proposed distributed
and lumped models are drawn in Fig. 5. The results
clearly show that the distributed and lumped models are
the same at the low frequency and by increasing the
frequency, the difference between two models also
increasing. The S11 and S21 of the transistor for three
values of the gate width, 10, 60 and 90 pm, are plotted
in Fig. 6.
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Fig. 6. Scattering parameters of 10, 60, and 90 pm
MOSFETs computed by distributed model.

By using introduced model, four noise parameters,
including minimum noise figure, normalized equivalent
noise admittance, the amplitude and the phase of
optimum reflection coefficient, are plotted in Fig. 7 and
compared with lumped model. Moreover, Fig. 8 shows
the behavior of minimum noise figure of the transistor
for the different values of the gate width. Studying these
figures illustrates the importance of distributed
transmission line modeling of MOSFET by increasing
the device width and the frequency.
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Fig. 7. Noise parameters of the MOSFET.
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Figure 9 demonstrates the constant noise figure and
available power gain circles of the MOSFET at 20 and
60 GHz. Thus, based on the information obtained from
the proposed approach, accurate design of mm-wave
circuits, containing the MOSFET, for a specified noise
figure and available power gain is possible.

----- Constant Noise Figure Circles
Constant Available Gain Circles

Fig. 9. Constant noise figure and available gain circles
calculated by distributed model for f= 30 and 60 GHz.
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IV. CONCLUSION

As the operating frequency of MOSFETSs increases
to the mm-wave range, the width of the device become
comparable to the wave length. In such cases, the
distributed transmission line effect needs to be
considered accurately, in device modeling. According to
that in the previous lumped models this effect wasn’t
considered, this paper introduces a new distributed
transmission line signal and noise modeling and analysis
of mm-wave MOSFET transistor. In this model, the
MOSFET transistor is considered as the excited three-
coupled active transmission line structure, exciting by
noise equivalent sources distributed on its conductors.
Comparing the signal and noise parameters of MOSFET
calculated with the proposed distributed model and
lumped model was shown that two models have the same
results at low frequencies. But, by increasing frequency
to the mm-wave range, where the electrodes widths are
comparable with the wavelength, a difference appears
between the results of two models. It is demonstrated that
the distributed effects of the transmission line along the
device width become significant and can no longer be
ignored. Therefore, the accuracy of high-frequency noise
simulation in the Nano-scale RF CMOS transistors can
be facilitated by using the proposed model. Moreover,
based on the proposed modeling approach, the influence
of important factors such as the effect of electrode
loading and the location and number of excitation/
extraction contact points, can be investigated and
optimized for improving the performance of the mm-
wave MOSFETs.
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Abstract — This paper proposes a dynamic model of a
linear actuator using a fuzzy system to approximate its
magnetic subsystem. Magnetic characteristics of the
linear actuators indicate a nonlinear behavior, making
the whole system complex. Deriving an accurate and
proper model, results in the implementation of different
control methods in the simulation procedure. This
research developed dynamic equations of linear
actuator with closed type magnetic circuit. Due to high
capabilities of fuzzy approximators in the modeling of
nonlinear systems, they are employed to approximate
the magnetic subsystem of the linear actuator.
According to the results, the model described in this
paper, shows significant improvements in comparison
with the previous models. Moreover, the proposed
model apart from the nominal area, could accurately
predict the behavior of linear actuator for out of the
nominal operation area. This matter is important in
transient situations and short-term overloads. High
accuracy and performance is obviously demonstrated
by comparing experimental and simulation results both
in static and dynamic features.

Index Terms — Dynamic modeling, flux linkage, fuzzy
system, linear actuator, magnetic characteristics.

L. INTRODUCTION

Linear actuators are widely used in industrial
applications due to their simple construction, high
ruggedness, and low prime cost. Electromagnetic valves
[1], fluid flow control in hydraulic systems [2] and
magnetic suspension are some typical applications.
Many contactors and relays working in switching (on-
off) state have the same operation of linear actuators
[3]. There are two types of linear actuators, known as
on-off and proportional [4]. The former is simpler
owing to its specific design and applicable structure.

On-off actuators are being used in electrical
contactors and electromagnetic valves. Since position
control in force operators with high accuracy is so
common, the entire plunger trajectory in proportional
actuator is controlled. Transfer function in proportional
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actuators is more linear than on-off actuators but the
design in proportional actuators is much more complex.
Also, proportional actuators require position sensor;
thus, they are more expensive [4]. Converting an on-off
actuator to a proportional one using power electronic
converters and external sensors with operating range of
below 10 mm has been investigated in [5]. Having
extracted a precise model for linear actuator, various
control methods could be applied and also improvement
on proportional operation of on-off actuators would be
obtained. Figure 1 shows the structure of linear
actuators. Linear actuators are separated into two
actuators: actuator with open type magnetic circuit, and
actuator with closed type magnetic circuit [6]. Linear
actuators with open magnetic circuit are described by
their linear behavior; whereas, actuators with closed
magnetic circuit show nonlinear behavior due to core
saturation. Owing to more rugged mechanical and
electrical structure and also larger force density, closed
magnetic circuit actuators are more popular. Moreover,
to increase the output force, those actuators are
designed in a way that saturation occurs in rated current
[7]. Therefore, nonlinear magnetic behavior of the
linear actuators should be taken into account in their
modeling.

One of the most important parts in the modeling of
linear actuator with closed magnetic circuit is magnetic
characteristics of motor. They are directly in correlation
with electrical and mechanical subsystems. Moreover,
nonlinear behavior of magnetic characteristics makes
the whole system nonlinear and more complex.

To date, different models have been proposed to
describe dynamic characteristics of linear actuators.
Those models considered different aspects and effective
parameters of the linear actuator behavior. In some
researches, for linear actuator modeling, several
numerical methods have been proposed such as FEM'.
In order to achieve a mathematical model, inductance
estimation, force levels, and eddy currents effect is
investigated [8]-[13]. In [14], a nonlinear model including

! Finite Element Method

1054-4887 © 2015 ACES
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experimental detection of the system parameters is
proposed to attain transient magnetic characteristics.
Moreover, hysteresis and saturation features have been
taken into account and have been focused on “system
designing” in the modeling. In [15], core saturation
curve is separated into linear and nonlinear parts and a
model has been presented employing a first-order and
second-order approximation. The experimental data are
gained by employing a sinusoidal voltage to actuator
winding.

I:] Coil
D Mechanical Link

|:| Plunger
(Ferromagnetic)

. Yoke

(Ferromagnetic)

(b)

Fig. 1. (a) Schematic of a linear actuator, and (b) a
laboratory sample of actuator.

It should be noted that, in the modeling of linear
actuator, in addition to the nominal operation area of
the motor, a proper model must be sufficiently accurate
for the currents out of nominal current. This matter is
important in transient situations and short-term
overloads that may be occurred in the motor. There is
no remarkable study about this in previous researches.
The proposed model in this paper, in addition to the
nominal operating area, could accurately predict the
behavior of actuator, out of nominal operation area.
This has been achieved by using capabilities of the
fuzzy systems.

Fuzzy theory has so many applications in various
systems especially nonlinear ones. Describing or
controlling of the systems where there is connoisseur
person experience or input-output data, leads to
appropriate results. In order to completely model the
linear actuator, information of both fields is used in this
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paper. Having used fuzzy theory in this paper, a full
description of linear actuator characteristic is presented
which covers both nominal and over-current areas with
adequate accuracy. A proper dynamic model is
subsequently proposed according to system’s dynamic
equations. Eventually, comparison between simulation
and experimental results, both in dynamic and static
states, validates the proposed model. The results
indicate desired accuracy both in dynamic and static
states and also contain both nominal and over-current
areas.

II. SYSTEM’S DYNAMIC EQUATIONS

According to the most researches, the equations of
an electrical motor are divided into three parts:
electrical, mechanical, and magnetic. In order to
achieve an appropriate and accurate model, a block
diagram consisting of electrical, magnetic, and
mechanical blocks, is proposed in Fig. 2. Supply
voltage and load force are inputs of the system, and
plunger position is the output.

Electrical and magnetic subsystems connect with
each other through 4 and i; whereas, magnetic block is
in relation with mechanical one through £, and x.

Fload l
i X
Electrical Mgnetic Mechanical
. Subsystem Subsystem Subsystem
Vin
/1 Enag

Fig. 2. Block diagram of linear actuator’s model.

A. Mechanical analysis
Sub d, assuming that the actuator is in vertical

position, dynamic equation of the mechanical
subsystem is defined as:
W, —F,+F,,, —Fy=m,X. (1

In equation (1), W, is the plunger weight, Fyis the
friction force, Fiuqe is the magnetic force, and Fiouq is the
load force. m, is the mass of the plunger and x is the
position of the plunger. The friction force value of the
actuator is in proportion with the plunger velocity [16].

B. Electrical analysis
As shown in Fig. 1 (a), the linear actuator contains
a winding fed by a voltage source. The total equation in
electrical subsystem is:
V=Ri+N ﬂ 2)
dt
In (2), V is the actuator’s voltage, R is the winding
resistance, N is the number of winding turns, and ¢ is
the flux inside the winding. Considering A=Ng,
equation (2) would be rewritten as the following:
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V =Ri+ ar , 3)
dt

A is the flux linkage that plays a fundamental role in the
modeling. Its value is defined by magnetic analysis at
any plunger position and anytime. V is the
instantaneous voltage of winding, therefore when the
actuator is modeled by power electronic components
with PWAM?, it is modeled with V=0 at off periods, due
to the presence of Freewheeling diode.

C. Magnetic analysis

According to the system’s structure, the flux
linkage value in linear magnetic systems is determined
regarding the ampere-turn of the winding and
equivalent magnetic reluctance (Re,):

Ni 42, )
R, N
2.
AN (5)
R

eq

In (5), Re is the equivalent magnetic reluctance
from the viewpoint of the winding. When the magnetic
behavior of the system is linear, R., and therefore A, are
easily calculated via analyzing the linear magnetic
circuits. However, it should be noted that the design
must be conducted considering the saturation region in
order to increase the output force and the effective
density of force [7]. Thus, using equation (5) in the
actuators with closed type magnetic circuit is not
effective.

In the actuators with closed type magnetic circuit,
the flux linkage value and therefore the inductance,
apart from the plunger position, is dependent on the
electrical operating point. This relation is nonlinear and
is affected by the saturation. Accordingly, inductance
could not be used only as a function of position. Thus,
the flux linkage of the actuator should generally be
considered as a function of x and i.

Figure 3 shows sets of A-i curves related to the
actuator for different positions of the plunger. In order
to attain these characteristics, some experiments on the
actuator are applied and sets of input-output data are
obtained. Applying an adjustable alternating voltage
(autotransformer) results in the measurement of the
coil’s current and voltage, and therefore A values is
obtained for different currents and positions. According
to Fig. 3, the magnetic characteristics get nonlinear
when x<70 mm. It means that for x<70 mm, the
actuator behavior is nonlinear.

In the dynamic modeling of the actuator, magnetic
characteristics (A-x-i curves) are highly significant
considering dynamic equations of current and voltage
and magnetic force definition.

2 pulse Width Modulation

0.7
0.6 — ——— x=10mm
| | x=20mm
E05 " — | x=30mm
< e =T | =40|
< | — x=40mm
S04 — x=50mm
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£03 p— x=70mm
% | x=80mm
z 02 | — "7 x=90mm
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. ——
|
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Fig. 3. Flux linkage characteristics of the actuator
versus current for different positions of the plunger.

D. Calculation of magnetic force

Overall, there are different methods to calculate the
magnetic force [17]-[21]. One of the most common
methods is using the stored energy in the system.
According to the theory of this method, magnitude and
direction of the force in the conservative vector fields
equals to the negative of the gradient of stored potential
energy in those fields. Hence, if a magnetic body has a
moving part, a force in the direction exerts on the
moving part to decrease the magnetic potential energy
stored in the body [6]. Thus, the force exerted on the
moving part is expressed as:

mag = _a_WMquns ’ (6)
Ox
where W /.' is co-energy and is defined by:
W,f(i,x)zjl(i,x)di. (7)
0

In linear magnetic systems, like actuators with
open type magnetic circuit or systems that saturation
effect is ignorable, the co-energy and the energy terms
are equal. Moreover, A has a linear relation with i and
the output force is described as equation (8) after the
inductance is defined:

Fro =317, ®
2 dx

When the magnetic characteristics is nonlinear and
core saturation is not ignorable, force values should be
calculated according to the (6) and (7), thus (8) is not
usable.

III. FLUX LINKAGE DETERMINATION

As  explained previously, the  magnetic
characteristic data of the linear actuators is obtained
from experimental measurements. In order to complete
the actuator modeling, data should be employed
properly. The simplest method to use the data is lookup
table. Applying the LUT decreases the simulation
accuracy. In order to define the input intermediate
values which is among the LUT inputs’ values, linear
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interpolation method should be utilized. Since the
derivatives of A with respect to current and position are
required in the simulation, the parameters are calculated
discretely, thus it is different from the system nature.
Based on the mentioned reasons, LUT has not been
used in this research for modeling.

Another method to use the data of A is to
approximate A-x-i characteristics employing polynomial
functions [22]-[24]. The main advantage of this method
is significant decrease in the calculations complexity.
Nevertheless, the relatively much increase of the error
in the extrapolation is the fundamental disadvantage.
The current increase results in decrease in the flux
linkage increase rate, whereas in the polynomial
approximation, the estimated value of the flux linkage
out of the relevant range might get large values. Since
for the large values of ac current, there is restriction in
the characteristic measurement, this issue is regarded as
a significant disadvantage. By contrast, the actuator can
easily operate in high DC currents. On the other hand,
in the short-term over currents and transient situations,
the amount of winding current could be increased in
comparison with the nominal current. However, a
proper model must predict the behavior of the system
with the minimum error in different situations.

Fuzzy systems, regarded as general approximators,
would be employed to estimate unknown nonlinear
functions with any required accuracy. However, one of
the fuzzy system features is that saturation occurs for
the values out of the available data scope. This feature
shows the primary advantage of fuzzy systems.

A. Flux linkage fuzzy approximator

Various engineering subjects are applied in fuzzy
theory. A significant application is that a fuzzy system
with a desired design is usually a general approximator
[25]. It means, any system approximation with any
accuracy could be performed via a proper design.
Therefore, a desired fuzzy system was designed in
order to model the magnetic characteristic of the
system. Moreover, this fuzzy system estimates the flux
linkage for different values of the plunger’s position
and the winding current. In order to design and model a
fuzzy system, its features are required. These features
may involve a connoisseur person experience,
experimental results or a combination of both.

In order to use a fuzzy system, if-then rule is
defined and equation (9) is described by [25]:
If x; is A; and x; is A4 then y is B,

M
z yl #iﬂ (x )uui;z (x,)

f(xlsxz) = 1:]M 5 (9)
Z:u/]ﬂ(xl)':u/]n (x,)

where the parameters 4/, and 4, are membership
functions of the input variables and would be triangular,
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pseudo-triangle, trapezium, and Gaussian. When
triangular or trapezius functions are applied, the system
is approximated to a piecewise linear curve. Equation
(9) deals with a fuzzy system with Mamdani inference
engine, individual fuzzifier, center average defuzzifier,
and if-then fuzzy rule base. In this paper, Gaussian
functions are used as input membership functions.
Hence, the fuzzy system considering equation (9) is
described as [25]:

3y {al’ exp(-("—)).a, exp(—(2—2 )2)}

1
I=1 0, o,

f(xlaxz):

Z{ exp(-("—)).a, exp(—(2—2 )%}

=1 0, 0-2,

(10)

According to available data and the change range

of each variable, a membership function is defined with

respect to different states and different values of each

variable. The output membership functions are defined

in a same procedure. Finally, a fuzzy system is

designed by defining a Mamdani inference engine and
fuzzy rule base such as if-then rule.

B. Fuzzy system design

In order to extract the magnetic characteristics of
the linear actuator, experimental measurements were
conducted and A values were calculated for different
plunger positions with 10 mm steps and different
effective currents with 0.5 Amp. steps. Thus, there are
11 and 22 states for the position and the current
respectively, and the conclusion is 11x22=242 states
for input-output pairs. Applying these pairs in equation
(10) and considering some assumptions, a fuzzy system
in order to model the actuator is obtained. According to
the measured data, the following vectors and matrix are
defined as:

i=ir]
;c:[;c,,-] k=12,.,22,j=12,..,11, (11)
A=A/

where vectors i and x are the points of input data and

matrix A is the output data.

It should be noted that current value of the actuator
may outnumber the maximum tested value of the
system. As mentioned before, this phenomenon would
be occurred in short-term overloads or transient
situations. Thus, one membership function for the
values higher than the maximum current is defined. The
value of this membership function is permanently “1”
for the current values higher than the maximum
actuator current. Defined membership function together
with other membership functions of the actuator current
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is employed to complete the design and to avoid the
flux linkage decrease with current increase.
Equation (10) is rewritten as:
3 — i—i X—Xx;
2. A -exp(~(——)).exp(—(—_))
A, x) = 22 i e

B2y exp(-(“ ")
X (o3

> exp(—(

i—
k=1 j=1 o,

X

(12)

According to equation (12), different values of A4
could be calculated for different currents and positions.
o; and o, are smoothing parameters. The smaller the
values of o; and o, get, the less difference the function
values in sample points obtains, compared to real
values. However, the function error increases for
intermediate or out of range values, thus the function is
not regarded as general. The function is smooth when
the values of ¢; and o, are large enough.

In practice, through trial and error attempt and
comparing the function characteristics with measured
ones, proper values for g; and o, could be acquired. It
should be remarked that proper values of o; and o, are
different from each other due to the different change
range of current and position. Figure 4 shows the
membership function of input parameters.

vy
LI

10 1
i[Al

MF-i

55

\
\ N

0 10 20 30 40 50 60 70 80 EY
X [mm]

MF-x

Fig. 4. Membership functions of the designed system as
input parameters.

IV. RESULTS

The results of proposed model were thoroughly
investigated in this section and were compared with the
experimental data. Therefore, an experimental setup
was designed and built to conduct different experiments
and measure the system characteristics. Features of the
system would be highlighted as a static features and
dynamic behavior. Static features contain flux linkage
values and actuator output force for different currents
and different positions of the plunger. Moreover, due to
the changes of the system’s state variable along the
time, actuator dynamic behavior could be analyzed with

injecting step input. The designed setup in this research
has the possibility of measuring magnetic force of the
actuator for different positions and via adjustable
current values. In addition, it’s possible to inject a step
voltage with different amplitudes and to measure
plunger’s current and position values.

Experimental setup includes a linear actuator, a
power electronic convertor, a position sensor and other
control and measurement circuits. Power electronic
convertor is a bulk convertor which can inject regulated
and controllable voltage into the actuator. Position
sensor is an IR distance sensor and a DSPIC30F4011
microcontroller is the main controller of system.
Moreover, a sampling device (USB47n-A, Advantech
Automation) is used to sample the required data. Figure
5 illustrates the experimental setup. The results of the
actuator’s static features and dynamic behavior are
investigated in the following.

Control & Mea
Circuits

Position Sensor

Fig. 5. Experimental setup to study the actuator.

A. Static features

In order to validate the designed system, first the
flux linkage values and their change procedure,
stemmed from the designed system, are compared with
their real values. As shown in Fig. 6, the flux linkage
values are calculated for large currents to ensure that
the flux linkage value change is not inappropriate for
the current increase. As mentioned before, for x<70 mm,
the actuator behavior is nonlinear. The results indicate a
closely match and less error of the approximator. Figure 7
shows the error value of the flux linkage estimation for
different values of x. Figure 7 demonstrates that the
error value is less than 2.5 percent and the total average
of the approximation error is 1.22%.

The next step is to compare the magnetic force
values concluded from designed system and equation
(6), with experimental values. Figure 8 shows the
comparison for some different positions. Within the
measured data range of the flux linkage, the
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approximation is highly accurate and the estimation for
out of the range, however, is satisfactory. According to
(3), if the behavior of the magnetic characteristics is
linear, the force value, when x is constant, will be in
relation with the square of the current. However, as it’s
clear in Fig. 8, this issue would not occur due to
saturation. The average values of force estimation error
for different positions are illustrated in Table 1.
According to Table 1, x=40 has the most error and
x=00 has the least error. Mean value of the estimation
error related to the output force is 2.17%.

0.7 ‘F ‘F ‘F
—©— Fuzzy System | L0
0.6 | —B&— Experiment ©

.
[
05 } )

Flux Linkage [Wb]

i[Al

Fig. 6. Comparison of the flux linkage values for
different currents and positions.

2.5
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Fig. 7. Flux linkage error for different positions.
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Fig. 8. Experimental and fuzzy approximator comparison
for the output force.
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Table 1: Estimation error of output force
Position [mm] 30 40 50 60
Error [%] 1.99 3.4 1.98 1.3

B. Dynamic behavior

In order to describe the dynamic behavior of the
linear actuator in accordance with the equations of
Section 3 and the designed fuzzy system, the simulation
of the actuator is implemented. To determine magnetic
force and also change rate values of the flux linkage
versus position and current, the designed fuzzy system
was applied. Dynamic behavior of the actuator for
different loads was compared with experimental results.
Injecting a step waveform as the input voltage to the
actuator coil, time waveforms of the winding current
and the plunger position for different loads were
measured and recorded. Afterwards, dynamic behavior
of the actuator was investigated and compared with the
simulation results under equal conditions. Figure 9
shows two waveforms in relation to these comparisons
for 35[N] and 55[N] loads. The current and position
changes of the winding is determined in Fig. 9. Ripples
related to position change for 55[N] load diagram
originates from the noise in the position sensor. This
noise has been increased when the current produced and
increased. The comparison between the waveforms
indicates desired accuracy of the modeling.
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Fig. 9. Dynamic behavior of the linear actuator for two
different loads.

V. CONCLUSION

Dynamic modeling of the linear actuator has been
investigated in this paper. Having analyzed dynamic
equations for mechanical, electrical and magnetic
subsystems, the flux linkage was highlighted as a
fundamental parameter making the system behavior
nonlinear. Moreover, the flux linkage had a relatively
high impact on mechanical, electrical and magnetic
subsystems. Due to high capabilities of fuzzy systems
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to approximate nonlinear systems, a desired fuzzy
system was designed to estimate the flux linkage of the
linear actuator. Since behavior of the system is known
and also according to the data concluded from the
measurement of the actuator’s magnetic characteristic,
this fuzzy approximator was designed such as a system
with Gaussian membership functions, individual
fuzzifier, Mamdani inference engine and center average
defuzzifier. In order to validate the designed fuzzy
system, static data of the actuator was employed. These
features include the values of the flux linkage and the
magnetic force of the actuator. The comparison
between the designed fuzzy system’s estimation and
experimental measurements indicates that the error of
the flux linkage estimation is 1.22% and the error of the
magnetic force estimation is 2.17%. This proves that
the accuracy of the proposed system is desirable both in
nominal area and out of it. In addition, dynamic
behavior of the actuator and its simulation were
compared to validate the proposed model. This
comparison was drawn for 35[N] and 55[N] loads with
different currents. Having injected a step voltage to the
winding, the changes of the plunger’s position and the
winding current over a period of time were recorded
and then compared. The comparison in experimental
and simulation fields demonstrates a proper accuracy
for the proposed dynamic modeling.
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Abstract — A new and accurate closed-form expression
is introduced using least squares method (LSM) to
calculate propagation constant of substrate integrated
waveguide (SIW) at its fundamental mode of operation.
The derived equation is a function of geometrical
parameters of the structure and accurately estimates
cutoff frequency of the dominant mode. The LSM is
used to determine the effective width of the SIW
structure. A review and comparisons with recently
published simulation and measurement results are also
provided, which verify the accuracy of the proposed
method.

Index Terms — Dispersion, least squares method
(LSM), substrate integrated waveguide (SIW).

L. INTRODUCTION

In recent years the SIW technology has been
widely used in implementation of microwave devices
and antennas [1-5] due to their attractive features such
as simple and planar structure. A variety of numerical
methods including method of moments (MOMs), finite
difference time domain (FD-TD), boundary integral
resonant mode expansions (BI-RME), method of lines
(MOL), and mode matching have been reported in
literature to study the dispersion characteristics of these
structures. In spite of the accuracy of those methods,
they consume lots of time and need large amount of
memory.

In this paper, an accurate closed-form expression is
derived using least squares method to calculate the
effective width of the SIW structures. The effects of
geometrical parameters of the SIW structure on
propagation constant and cutoff frequency are
investigated for four specific SIW structures. It is
shown that the proposed method accurately estimates
dispersion characteristic of the SIW and an excellent
agreement is obtained between the results of the
proposed method with those obtained by measurement.

II. THEORY OF THE PROPOSED METHOD

A linear system of m equations in » unknowns
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X1,..., X 18 a set of equations of the form:

a,x, +...+a,x, =b

1n""n

ayx, +...+a,,x, =b, )

a,x+..+a,x =b

ml mn”"n m

The system is called linear because each variable x;
appears in the first power only, just as in the equation of
a straight line. ayy,..., am, are given numbers, called the
coefficients of the system. by,..., b, on the right are also
given numbers. A solution of (1) is a set of numbers
X1,...,x, that satisfies all m equations. From the
definition of matrix multiplication we see that m
equations of (1) may be written as a single vector
equation Ax=b, where the coefficient matrix A = [aj] is
m>n matrix, x and b are column vectors.

It is assumed that the coefficients aj are not all
zero, so that A is not a zero matrix. Note that x has »n
components, whereas b has m components. If m=n and
A is nonsingular, the answer is simply x=A"'b. But if
m>n so that we have more equations than unknowns,
the problem is called over determined, and generally no
X vector satisfies Ax=b exactly. Given an m-by-n
matrix A and an m-by-1 vector b, the least squares
problem is to find an n-by-1 vector X which minimize

Ax=b [6]. The norm of the vector AX—b is defined as

| Ax—b = \/(Ax—b)' (Ax—b) , in which (Ax-b)" is
transpose of the Ax-b matrix. The least squares solution
is X vector which minimize error expression
E =|| Ax—b||’. This is the sum of squares of the errors
in m equations (m>n). The best X comes from the
normal equations A'Ax=A"b. If marix A is left-
invertible, then X =(A"A)"'A”b is the unique solution
of the least squares problem [6].

II. SIW STRUCTURE
The geometry of the SIW structure with its
physical parameters is shown in Fig. 1. It consists of
two rows of conducting cylinders implanted in a

1054-4887 © 2015 ACES
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dielectric substrate which connects two conductor
parallel plates at the top and bottom of the substrate.
Therefore, a synthetic rectangular waveguide filled with
dielectric material is made in planar form. The diameter
of cylindrical posts is d and they are separated in
transverses and axial plane by S and W respectively.

Experimental and numerical methods reveal that
the propagation characteristics of dominant mode of the
SIW structures are equivalent to those of an equivalent
metallic rectangular waveguide with the effective width
of Wes So, it is assumed that the effective width is
generally related to the geometrical parameters. Thus,
two expressions using unknown coefficients are defined
for evaluating the effective width of SIW structures [7-
10].

2

d d d’
Wy=yWey, Wy ——+r.—, (@2
S S w
d d’
W =oW+oS+od+o,—+o0o,— . (3)
off 1 2 3 4 5
S w

Unknown coefficients can be calculated using LSM
procedure. Table 1 shows the calculated unknown
coefficients.

1 S
" ©eeg
*ecgg

Fig. 1. Geometry of the SIW structure.

Table 1: Calculated unknown coefficients using LSM

i Yi O;

1 1.3 1.103

2 -1.026 0.552

3 7.957 -3.222

4 -22.015 4.553

5 0 -10.974
E(erron) 2.9x10° 23x10%

IV. RESULTS VERIFICATION
To verify the accuracy of the proposed method,
four examples are presented.

A. Example I
In the first one, a specific SIW structure with
geometrical parameters of #=3.97 mm, d=0.635 mm,

ACES JOURNAL, Vol. 30, No. 8, August 2015

$=1.016 mm and relative permittivity of 9.9 is
considered. Numerical results for cutoff frequency of
TE 10 mode of this structure is shown in Fig. 2. It can be
seen that a very good agreement is obtained between
the measured results and those obtained by the
proposed W.; using Equation 3. A small deviation
between results can be seen, but still proposed Wy
method using Equation 2 in this paper accurately
predicts propagation constant of the structure.

300 - -

Proposed WC ()

|

I

1

250 4 == == == = Proposed W 4 (3) ‘
————— method in [7] }
I

method in [9]

200H oo, method in [10] ){"

——————— HFSS 78
e measured in [8]

150 -+

B (rad/m)

100 +

Frequency (GHz)

Fig. 2. Propagation constant of TEio mode versus
frequency for SIW structure 1.

B. Example 11

In the second example, another specific SIW
structure with geometrical parameters of W=7.2 mm,
S$=2 mm and relative permittivity of 2.33 is considered.
Cutoff frequency of TEjo mode of this SIW structure
versus via diameter d, is shown in Fig. 3. These results
indicate that both proposed W.;using Equations 2 and 3
predicts same dispersion characteristics and agree well
with other published methods.

18 I |
———— proposed w_,(2)
— —— —  proposed w_.(3)
= 7T ———— HFSS l /
) -
jas method in [9] / il
) -~
< -~
g -7
E //
~
H -
e -
= -
15} -
2 -~
T s e
/////
2
7
14
08 10 12 = 1 '

d(mm)

Fig. 3. Cutoff frequency of TE;y mode versus via
diameter d for the 2¢ SIW structure.



C. Example II1

A SIW structure with parameters W=5.25 mm,
d=0.8 mm, S=1.5 mm and &=2.2 is considered in the
third example. Numerical results of the propagation
constant of the mentioned structure at TE ;o mode versus
frequency of the presented method in this paper are
shown in Fig. 4. It shows that our results and measured
results in [10] agree very well.

200

[ 1.7 s
e proposed W (2) s
proposed W__(3) 4
150 +— h Ad' ';” 7 ’
E metho f"[ ] 7
------ method in [9] /
_ ——— method in [10] .
LE ——————— measured in [10] .,
2 10
< 7 3
= ’I /
AN 4
AR
/1

50

Frequency (GHz)

Fig. 4. Propagation constant of TE ;o mode versus the 3¢
SIW structure.

D. Example IV

In the fourth example, a specific SIW structure
with geometrical parameters of S=1.5 mm and relative
permittivity of 2.2 is considered. Numerical results of
cutoff frequency for this structure at TEjp mode are
shown in Fig. 5 versus W, width of the structure for
different values of via diameter d. It can be concluded
that the results of the proposed method in this paper
agree very well with those presented in [9].

I I

20 P proposed W (2) d=0.6mm |
proposed Wy (3) d=0.6mm

— — ——  method in [9] d&=0.6mm

“: o I D — 3
s - proposed W ¢r(2) d=0.8mm H
= \Q\ eff o
< 2 | proposed Wegp (3) =0 $mm
> QOS] E AT 9] d=0.8
g | \\ - method in [9] d=0.8mm
o l6
é NN S
= N
= NSRS
o <
] ~ NN
o NN
S T
I = ~—
N
S
¢ i 9
W(mm)

Fig. 5. Cutoff frequency of TEio mode versus W for
different values of d for 4™ SIW structure.

ALIJANI, NESHATI: A NEW CLOSED-FORM EXPRESSION FOR DISPERSION CHARACTERISTICS

V. CONCLUSION

In this paper, an accurate closed-form expression is
introduced using least squares method (LSM) to
calculate the effective width of the substrate integrated
waveguide (SIW). The effects of geometrical
parameters of the structure on propagation constant and
cutoff frequency are investigated for four specific SIW
structures. The results for propagation constant and
cutoff frequency of the dominant mode of the SIW
structures are in a very good agreement with other
reported simulation and measured results. The proposed
method using LSM accurately predicts the dispersion
characteristics of the SIW for a wide range of structure
parameters. Therefore, it could be used for designing
wide variety of SIW structure.
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Abstract — Extended study on SIW slot array antenna
based on substrate integrated waveguide (SIW) has been
proposed in this paper. Unlike recent publications, the
effect of offset gap, gap between the slots and the gap
between the last slot with the edge of the SIW antenna
are extensively studied and effective formulation for
proper positioning of the slots has been done. The
structure consists of an array of slot antenna designed to
operate in Microwave Ku Frequency bands. The basic
structure is designed over a dielectric substrate with
dielectric constant of 3.2 and with a thickness of 0.782 mm.
The design consists of a SIW antenna fed with a
microstrip to SIW transition. Multiple slot array effects
are also being studied and analyzed using CST full wave
EM Simulator. The designs are fabricated and supported
with variation of return loss and radiation pattern
characteristics due to appropriate slot offset. The
analysis is being carried out to support integration to
system-on-substrate (SoS) which promises more compact
layouts.

Index Terms — Substrate Integrated Waveguide (SIW),
slot array, slot offset, System-on-Substrate (SoS), Ku-
band, Di-electric Filled Waveguide (DFW).

I. INTRODUCTION

Substrate integrated waveguide (SIW) has emerged
as a new concept for millimeter-wave (mm-wave)
integrated circuits and systems for the next decade due
to their manifold advantages. SIW yields high
performance from very compact planar circuits.

Recent past witnessed several substrate integrated
waveguide (SIW) slot array antennas have been analyzed
for their wide application in millimeter-wave
communication systems due to advantages like high
gain, efficiency and low-profile [1]. They are found to
have manifold applications collision avoidance

Submitted On: December 12, 2014
Accepted On: June 4, 2015

automotive radar, monopulse radar and synthesis
aperture radar (SAR). Slotted SIW antennas also have
special characteristics like accurate beam forming as
well as low side lobe levels [2]. These antennas also find
application in high-speed wireless communication and
direct broadcast satellite systems which require specific
linear or circular polarization.

The concept of waveguide slot antenna has been
implemented on SIW slot antenna arrays in this study
and several aspects are elaborately studied and presented
with required details.

II. SIW ANTENNNA DESIGN

SIW are integrated waveguide-like structures
fabricated by using two rows of conducting cylinders and
slots embedded in a dielectric substrate that connect two
parallel metal plates.

This concept was proposed by Bozzi, Xu, Deslandes
and Wu in several papers. The non-planar rectangular
waveguide can thus be made in planar form compatible
with existing planar processing techniques [1]-[2], as in
Fig. 1.

Sertes Metallic Via

Dielectric Substrate

Fig. 1. Basic SIW structure realized on a dielectric
substrate.

1054-4887 © 2015 ACES
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SIWs exhibit propagation characteristics similar to
the ones of classical rectangular waveguides. The modes
of the SIW practically coincide with a subset of the
modes of the rectangular waveguide, namely with the TEo
modes, with n=1, 2, ... In particular, the fundamental
mode is similar to the TEj;p mode of a rectangular
waveguide, with vertical electric current density on the
side walls. TM modes cannot exist in the SIW, due to the
gaps between metal vias; in fact, transverse magnetic
fields determine longitudinal surface current. Due to the
presence of the gaps, longitudinal surface current is
subject to a strong radiation, preventing the propagation
of TM modes. Moreover, SIW structures preserve most
of the advantages of conventional metallic waveguides,
namely, high quality-factor and high power handling
capability [3].

Stern, et. al., has presented the theory of longitudinal
slots over waveguide section in [2], where method of
moments type solution yield the design parameter of the
longitudinal slots as well as the offset. Henry, et. al.,
applied the concept for development of millimeter wave
slot antennas over multi-layer substrates at 70 GHz
bands in [4].

This concept was further developed with study on
79 GHz antennas by Cheng, et. al., in [5]. However, Ku-
band slot array antennas have been presented by
Navarro, et. al., in [7] with ten element linear resonant
longitudinal SIW slot arrays. In all these articles, the
designers obtained good results with the efficient use of
inter slot spacings and slot offsets as needed for their
designs.

This has been the major area of concern in this paper
and it is found that the slot spacing and slot offset has
direct effect on the performance of the design. This
aspect, which was to some extent undescribed till date,
and our study presents full details of these effects with
accurate formulations which will prove to be the basic
building blocks starting with SIW slot antenna array
designs. Zeng, et. al., successfully studied the SIW slot
array effects producing dual band structures in [8].
Several other related designs and studies are obtained in
[9]-[11].

The proposed structure is fed using conventional
microstrip line. The section of the microstrip line
connecting the radiating surface has been tapered for
proper impedance matching. The dimension of the taper
is properly optimized with CST Microwave Studio to
ensure maximum power transfer to the proposed SIW
slot array antenna. The structure used is commonly
known to us as ‘Microstrip-to-SIW Transition,’ as in Fig.

ACES JOURNAL, Vol. 30, No. 8, August 2015

2. Several other transition techniques can be consulted in

[2].

OOOCOC0)

1.8 mm

OOO0O0

Fig. 2. Microstrip-to-SIW Transition.

The design equations for SIW, which may be given
as:
2

a,=a,— - (1)

0.95p
where, a; is the separation between via rows (centre to
centre), aq is the width of di-electric filled waveguide
(DFW), d is the diameter, p is the pitch as shown in Fig. 1.
The cut-off frequency of the SIW can be obtained

using the above design equations:

C
fo=—.
2, x[e,
In this paper, the antenna has been designed to
resonate at frequency of 17.4 GHz. The dimensions of
the slots are important for the antenna to behave as a slot
antenna. The dimensions of the slots can be obtained in
[6] with the help of the following relations:

pe— 20 3)
1{2(@ +1)

Dimension of ¢ as in Fig. 3, doesn’t matter much but
should be less than half of 5. The gap between centre to
centre of slots g’ is considered as /2 in several articles
[3]-[5], whereas the gap between the last slot and the
closing face (edge) g has been extensively analysed for
obtaining a maximum return loss at the impedance
bandwidth. The offset slot gap is denoted by d. To
implement accurate analysis of these gaps (g and g’) for
exact positioning of the slots, all necessary plots are
provided in this paper as obtained using CST Microwave
Studio.

2
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Fig. 3. Slot dimensions and gap between slots.

The proposed structure as obtained after a microstrip
to SIW transition with 2 slots is depicted in Fig. 4. The
top and bottom view of the fabricated prototypes are
shown in Fig. 5. Comparison of the return loss of the 2
slot structure as obtained using EM CAD tool and after
measurement is provided in Fig. 6. The antenna has been
found to resonate at 17.5 GHz with a return loss of 23 dB
for a slot offset of 0.25 mm.
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Fig. 4. Dimension for 2 slot SIW array antenna.

Fig. 5. Fabricated prototype of SIW slot antenna with
0.25 mm offset; top (left) and bottom (right).
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Fig. 6. Simulated and measured return loss for 2 slot SIW
array antenna.

The antenna as noticed from the S-parameter tends
to resonate at another frequency at about 21.5 GHz
(image frequency/secondary resonance), which happens
to be a function of the distance between the edges of the
antenna to the last radiating slot. In this paper, primary
focus is to study the effect of offset gap variation over
the return loss and the gain of the SIW antenna. After
obtaining proper offset gap, the effects of g & g’ are
studied further.

III. PARAMETRIC ANALYSIS
The variation of several antenna parameters are
analyzed with variation of offset gap. Figure 7 depicts
the variation of return loss as well as frequency obtained
by varying the slot offset gap. The analysis clearly shows
that for smaller offset gap, the return loss increases while

antenna resonating frequency shifts to the lower side of
the band.
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Fig. 7. Parametric analysis of several slot offset gap (p).
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The fabricated SIW slot antennas with different slot
offsets are shown in Fig. 8. Positioning of the slots, i.c.,
the slot offset has its effects over the resonating
frequency, return loss and the gain of the radiating
systems. The resonating frequency of the antenna is
found to vary inversely with the increase of the offset.
This can be related to the increased obstructions caused
by the slots to the surface current of conventional
rectangular waveguides, and hence, the slight shift in the
return loss and gain of the system has been observed.

bt

Fig. 8. Fabricated SIW slot antenna prototypes with
different slot offsets.

The experimental set-up for measurement of the
fabricated prototypes is shown in Fig. 9.

Fig. 9. Experimental set-up for radiation pattern
measurement.

Also for lower offset, an improved return loss
characteristics have been observed which is found to
degrade with increase of offset values. The system shows
better gain with lower offset values. The results of
extensive studies as mentioned above have been shown
in Fig. 10, Fig. 11 and Fig. 12.

ACES JOURNAL, Vol. 30, No. 8, August 2015
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Fig. 10. Variation of resonating frequency (GHz) for
variation of slot offset gap (p) (measured).
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Fig. 11. Variation of return loss for different slot offset
gap (p) (measured).
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Fig. 12. Variation of antenna gain for different slot offset
gap (p) (measured).



Detailed analysis on the effect of the gap between
slots g’ is also studied and presented with appropriate
outcome. The results re-established that for a gap of Ag/2,
maximum return loss will be achieved. The study further
provides possible effects arise for gap length other than
Ag/2. The effect of the secondary resonance of the
antenna has been found to vary with various slot gap g’
and position of the slot from the end wall g. The return
loss of the secondary resonance varies with spacing
between the slots. For a gap of about 6 mm between the
slots, both the return loss of the resonating frequency and
the return loss of the secondary resonance have been
found with acceptable results. The effects of s and g’
over the various SIW slot antenna paramters are shown
in Figs. 13-16. The results provide direct solution for
several slot effects and enhance the possibility to design
more compact layouts.
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I, | dB
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Fig. 13. Effect of various slot gap g’ for on return loss of
resonating frequency and image frequency (measured).
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Fig. 14. Effect of various slot gap g’ for on resonating
frequency (measured).
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Fig. 15. Effect of slot position from end wall g on return
loss of resonating frequency and image frequency
(measured).
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Fig. 16. Effect of slot position from end wall g on
resonating frequency (measured).

IV. CONCLUSION

The effect of various slot offset, gap between slots
and position of last slot from the end wall has been
presented in details in this paper. The design comes with
a microstrip to SIW transition feeding technique.
Positioning of the slots has been found to have an impact
over the gain as well as the return loss of the structure.
The designs are fabricated and validated with the
measured results. The results prove to be a direct solution
to the SIW antenna design engineers for effective and
accurate designs as required for different applications
with consultation of the results presented in this paper,
and thus, reducing time as well as human effort.

REFERENCES
[1] M. Bozzi, A. Georgiadis, and K. Wu, “Review of

938



939

(2]

(3]

(4]

(3]

(6]

(7]

(8]

[9]

[10]

[11]

substrate-integrated waveguide circuits and
antennas,” Special Issue on RF/Microwave
Communication Subsystems for Emerging Wireless
Technologies, doi: 10.1049/iet-map.2010.0463.

G. J. Stern and R. S. Elliot, “Resonant lengths of
longitudinal slots and validity of circuit
representation: theory and experiment,” [EEE
Transactions on Antennas and Propagation, vol.
AP-33, no. 11, Nov. 1985.

M. Bozzi, F. Xu, D. Deslandes, and K. Wu,
“Modeling and design considerations for substrate
integrated waveguide circuits and components,”
Telsiks 2007, Serbia, Nis, Sept. 26-28, 2007.

M. Henry, C. E. Free, B. S. Izqueirdo, J. Batchelor,
and P. Young, “Millimeter wave substrate
integrated waveguide antennas: fesign and
fabrication analysis,” IEEE Trans. on Advanced
Packaging, vol. 32, no. 1, Feb. 2009.

S. Cheng, H. Yousef, and H. Kratz, “79 GHz slot
antennas based on substrate integrated waveguides
(SIW) in a flexible printed circuit board,” /IEEE
Trans. on Antennas and Propagation, vol. 57, pp.
71, 20009.

A.J. Farralland P. R. Young, “Integrated waveguide
slot antennas,” IEEE Electronics Letters, vol. 40,
pp- 975, 2004.

D. V. Navarro, L. F. Carrera, and M. Baquero, “A
SIW slot array antenna in Ku-band,” Proceedings
of the Fourth European Conference on Antennas
and Propagation, Apr. 2010.

Z. Zeng, W. Hong, Z. Kuai, H. Tang, and J. Chen,
“The design and experiment of a dual-band
omnidirectional SIW slot array antenna,”
Proceedings of Asia-Pacific Microwave Conference,
2007.

J. Liu, D. R. Jackson, and Y. Long, “Substrate
integrated waveguide (SIW) leaky-wave antenna
with transverse slots,” IEEE Trans. on Antennas
and Prop., vol. 60, no. 1, Jan. 2012,

F. Xu, K. Wu, and X. Zhang, “Periodic leaky-wave
antenna for millimeter wave applications based on
substrate integrated waveguide,” IEEE Trans.
Antennas Propag., vol. 58, no. 2, pp. 340-347, Feb.
2010.

J. Wei, Z. N. Chen, X. Quing, J. Shi, and J. Xu,
“Compact substrate integrated waveguide slot
antenna array with low back lobe,” Antenna and
Wireless Propagation Letters, vol. 12, pp. 999-
1002, Aug. 2013.

ACES JOURNAL, Vol. 30, No. 8, August 2015

Sourav Moitra received his B.Tech
(Electronics & Communication
Engineering) in 2005 from the West
Bengal University of Technology.
He was associated with several
electronics industries between 2005

f to 2007. He received his M.Tech
- (Microwave Engineering) in 2009
from The University of Burdwan. He has been associated
with the Dept. of Atomic Energy, Govt. of India on a
project related to the development of high power RF
tubes. At present he is associated with Dr. B. C. Roy
Engineering College, Durgapur, India as Assistant
Professor in the Dept. of Electronics & Communication
Engineering. He has several publications in international
journals and conferences. His current research interest
includes design and development of microwave &
millimeter wave passive circuits based on microstrip line
and substrate integrated waveguides applicable in
wireless networks.

Partha Sarathee Bhowmik obtained

his B.Tech degree in Electrical

Engineering from National Institute

of Technology, Agartala, India in

2000 and M.Tech degree from The

- University College of Technology,

» University of Calcutta, India in

2002. He received his Ph.D.

(Engineering) from Jadavpur University in 2015.

Currently he is employed as Assistant Professor in the

Dept. of Electrical Engineering, National Institute of

Technology, Durgapur. His current research includes in

energy system engineering, numerical computation of

electrostatic fields, RF and microwave engineering and

advanced signal processing applications in electrical
machines and power system.



	000_FRONTAL
	000b_August 2015_TOC
	002_Papers


<<
  /ASCII85EncodePages false
  /AllowTransparency false
  /AutoPositionEPSFiles true
  /AutoRotatePages /None
  /Binding /Left
  /CalGrayProfile (Dot Gain 20%)
  /CalRGBProfile (sRGB IEC61966-2.1)
  /CalCMYKProfile (U.S. Web Coated \050SWOP\051 v2)
  /sRGBProfile (sRGB IEC61966-2.1)
  /CannotEmbedFontPolicy /Warning
  /CompatibilityLevel 1.6
  /CompressObjects /Tags
  /CompressPages true
  /ConvertImagesToIndexed true
  /PassThroughJPEGImages true
  /CreateJobTicket false
  /DefaultRenderingIntent /Default
  /DetectBlends true
  /DetectCurves 0.0000
  /ColorConversionStrategy /LeaveColorUnchanged
  /DoThumbnails false
  /EmbedAllFonts true
  /EmbedOpenType true
  /ParseICCProfilesInComments true
  /EmbedJobOptions true
  /DSCReportingLevel 0
  /EmitDSCWarnings false
  /EndPage -1
  /ImageMemory 1048576
  /LockDistillerParams false
  /MaxSubsetPct 100
  /Optimize true
  /OPM 1
  /ParseDSCComments true
  /ParseDSCCommentsForDocInfo true
  /PreserveCopyPage true
  /PreserveDICMYKValues true
  /PreserveEPSInfo true
  /PreserveFlatness true
  /PreserveHalftoneInfo false
  /PreserveOPIComments true
  /PreserveOverprintSettings true
  /StartPage 1
  /SubsetFonts true
  /TransferFunctionInfo /Apply
  /UCRandBGInfo /Preserve
  /UsePrologue false
  /ColorSettingsFile ()
  /AlwaysEmbed [ true
  ]
  /NeverEmbed [ true
  ]
  /AntiAliasColorImages false
  /CropColorImages true
  /ColorImageMinResolution 300
  /ColorImageMinResolutionPolicy /OK
  /DownsampleColorImages false
  /ColorImageDownsampleType /Bicubic
  /ColorImageResolution 300
  /ColorImageDepth -1
  /ColorImageMinDownsampleDepth 1
  /ColorImageDownsampleThreshold 1.50000
  /EncodeColorImages false
  /ColorImageFilter /DCTEncode
  /AutoFilterColorImages true
  /ColorImageAutoFilterStrategy /JPEG
  /ColorACSImageDict <<
    /QFactor 0.15
    /HSamples [1 1 1 1] /VSamples [1 1 1 1]
  >>
  /ColorImageDict <<
    /QFactor 0.15
    /HSamples [1 1 1 1] /VSamples [1 1 1 1]
  >>
  /JPEG2000ColorACSImageDict <<
    /TileWidth 256
    /TileHeight 256
    /Quality 30
  >>
  /JPEG2000ColorImageDict <<
    /TileWidth 256
    /TileHeight 256
    /Quality 30
  >>
  /AntiAliasGrayImages false
  /CropGrayImages true
  /GrayImageMinResolution 300
  /GrayImageMinResolutionPolicy /OK
  /DownsampleGrayImages false
  /GrayImageDownsampleType /Bicubic
  /GrayImageResolution 300
  /GrayImageDepth -1
  /GrayImageMinDownsampleDepth 2
  /GrayImageDownsampleThreshold 1.50000
  /EncodeGrayImages false
  /GrayImageFilter /DCTEncode
  /AutoFilterGrayImages true
  /GrayImageAutoFilterStrategy /JPEG
  /GrayACSImageDict <<
    /QFactor 0.15
    /HSamples [1 1 1 1] /VSamples [1 1 1 1]
  >>
  /GrayImageDict <<
    /QFactor 0.15
    /HSamples [1 1 1 1] /VSamples [1 1 1 1]
  >>
  /JPEG2000GrayACSImageDict <<
    /TileWidth 256
    /TileHeight 256
    /Quality 30
  >>
  /JPEG2000GrayImageDict <<
    /TileWidth 256
    /TileHeight 256
    /Quality 30
  >>
  /AntiAliasMonoImages false
  /CropMonoImages true
  /MonoImageMinResolution 1200
  /MonoImageMinResolutionPolicy /OK
  /DownsampleMonoImages false
  /MonoImageDownsampleType /Bicubic
  /MonoImageResolution 1200
  /MonoImageDepth -1
  /MonoImageDownsampleThreshold 1.50000
  /EncodeMonoImages false
  /MonoImageFilter /CCITTFaxEncode
  /MonoImageDict <<
    /K -1
  >>
  /AllowPSXObjects false
  /CheckCompliance [
    /None
  ]
  /PDFX1aCheck false
  /PDFX3Check false
  /PDFXCompliantPDFOnly false
  /PDFXNoTrimBoxError true
  /PDFXTrimBoxToMediaBoxOffset [
    0.00000
    0.00000
    0.00000
    0.00000
  ]
  /PDFXSetBleedBoxToMediaBox true
  /PDFXBleedBoxToTrimBoxOffset [
    0.00000
    0.00000
    0.00000
    0.00000
  ]
  /PDFXOutputIntentProfile ()
  /PDFXOutputConditionIdentifier ()
  /PDFXOutputCondition ()
  /PDFXRegistryName ()
  /PDFXTrapped /False

  /CreateJDFFile false
  /Description <<

    /BGR <>
    /CHS <FEFF4f7f75288fd94e9b8bbe5b9a521b5efa7684002000500044004600206587686353ef901a8fc7684c976262535370673a548c002000700072006f006f00660065007200208fdb884c9ad88d2891cf62535370300260a853ef4ee54f7f75280020004100630072006f0062006100740020548c002000410064006f00620065002000520065006100640065007200200035002e003000204ee553ca66f49ad87248672c676562535f00521b5efa768400200050004400460020658768633002>
    /CHT <FEFF4f7f752890194e9b8a2d7f6e5efa7acb7684002000410064006f006200650020005000440046002065874ef653ef5728684c9762537088686a5f548c002000700072006f006f00660065007200204e0a73725f979ad854c18cea7684521753706548679c300260a853ef4ee54f7f75280020004100630072006f0062006100740020548c002000410064006f00620065002000520065006100640065007200200035002e003000204ee553ca66f49ad87248672c4f86958b555f5df25efa7acb76840020005000440046002065874ef63002>
    /CZE <>
    /DAN <>
    /DEU <>
    /ESP <>
    /ETI <>
    /FRA <>
    /GRE <>

    /HRV <>
    /HUN <>
    /ITA <>
    /JPN <>
    /KOR <FEFFc7740020c124c815c7440020c0acc6a9d558c5ec0020b370c2a4d06cd0d10020d504b9b0d1300020bc0f0020ad50c815ae30c5d0c11c0020ace0d488c9c8b85c0020c778c1c4d560002000410064006f0062006500200050004400460020bb38c11cb97c0020c791c131d569b2c8b2e4002e0020c774b807ac8c0020c791c131b41c00200050004400460020bb38c11cb2940020004100630072006f0062006100740020bc0f002000410064006f00620065002000520065006100640065007200200035002e00300020c774c0c1c5d0c11c0020c5f40020c2180020c788c2b5b2c8b2e4002e>
    /LTH <>
    /LVI <>
    /NLD (Gebruik deze instellingen om Adobe PDF-documenten te maken voor kwaliteitsafdrukken op desktopprinters en proofers. De gemaakte PDF-documenten kunnen worden geopend met Acrobat en Adobe Reader 5.0 en hoger.)
    /NOR <>
    /POL <>
    /PTB <>
    /RUM <>
    /RUS <>
    /SKY <>
    /SLV <>
    /SUO <>
    /SVE <>
    /TUR <>
    /UKR <>
    /ENU (Use these settings to create Adobe PDF documents for quality printing on desktop printers and proofers.  Created PDF documents can be opened with Acrobat and Adobe Reader 5.0 and later.)
  >>
  /Namespace [
    (Adobe)
    (Common)
    (1.0)
  ]
  /OtherNamespaces [
    <<
      /AsReaderSpreads false
      /CropImagesToFrames true
      /ErrorControl /WarnAndContinue
      /FlattenerIgnoreSpreadOverrides false
      /IncludeGuidesGrids false
      /IncludeNonPrinting false
      /IncludeSlug false
      /Namespace [
        (Adobe)
        (InDesign)
        (4.0)
      ]
      /OmitPlacedBitmaps false
      /OmitPlacedEPS false
      /OmitPlacedPDF false
      /SimulateOverprint /Legacy
    >>
    <<
      /AddBleedMarks false
      /AddColorBars false
      /AddCropMarks false
      /AddPageInfo false
      /AddRegMarks false
      /ConvertColors /NoConversion
      /DestinationProfileName ()
      /DestinationProfileSelector /NA
      /Downsample16BitImages true
      /FlattenerPreset <<
        /PresetSelector /MediumResolution
      >>
      /FormElements false
      /GenerateStructure true
      /IncludeBookmarks false
      /IncludeHyperlinks false
      /IncludeInteractive false
      /IncludeLayers false
      /IncludeProfiles true
      /MultimediaHandling /UseObjectSettings
      /Namespace [
        (Adobe)
        (CreativeSuite)
        (2.0)
      ]
      /PDFXOutputIntentProfileSelector /NA
      /PreserveEditing true
      /UntaggedCMYKHandling /LeaveUntagged
      /UntaggedRGBHandling /LeaveUntagged
      /UseDocumentBleed false
    >>
  ]
>> setdistillerparams
<<
  /HWResolution [2400 2400]
  /PageSize [612.000 792.000]
>> setpagedevice




