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Abstract — In this paper, a comparative study between
different indoor path loss prediction models is conducted.
The investigated models include averaged wall loss
model (AWM), single slope model (SSM), linear
attenuation model (LM), two slope model (TSM),
partitioned model (PM), and Motley-Keenan model
(MKM). The models were tested in a simulated
environment of the 3" floor of Chesham building, the
University of Bradford, a different set of frequencies
were used including 28 GHz, 60 GHz, and 73.5 GHz,
TSM shows the best performance, both AWM and MKM
tend to have a similar performance at millimetre-
frequencies, both models® prediction for corridor and
LOS regions are pessimistic while TSM, SSM, and LM
have better estimations in these regions.

Index Terms — Indoor path loss models, millimetre-
wave frequencies, Motley Keenan model, ray tracing,
received signal strength, single slope model, two slope
model.

I. INTRODUCTION

The astonishing growth of wireless applications in
our daily life urges the radio engineer designers to have
optimum algorithms to have best radio wave coverage;
those applications cover a variety of services including
communication services, medical, industrial, and public
transport usage [1]. The IEEE 802.11 WLAN became the
principal WLAN technology due to its low cost, ease of
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disposition and flexible mobility [2]. The unlicensed
available spectrum makes the use of WLAN attractive
within indoor environments for different applications
especially for millimetre wave band [3]. However,
deploying WLAN routers requires knowledge of the
propagation channel; therefore, having an accurate
indoor channel modelling becomes critical [1].
Currently, massive research is being conducted to utilize
millimetre wave frequencies in 5G systems [4-5], this
utilization includes 28 GHz [4], 60 GHz [5], and 73 GHz
[4].

The wireless channel in indoor environments is
more complicated compared to outdoor environments.
Multipath fading affects wireless systems performance;
as a result, the wireless device and the router have to
match in order to suppress multipath manifestations
which demands awareness of the detailed propagation
channel [6].

Many efforts have been done in order to characterise
the channel’s parameters; radio coverage designers use
path loss prediction models to distribute the access
points within the facility such that they provide the
best coverage [7].

The indoor channel h(t) is a time-space varying,
which can be expressed mathematically based on Saleh
Valenzuela model as [8]:

t 0
h(t,0) = L2 Litzo B’ #418 ( -1 )5 ( -6, ) )

Tkt —Wgy
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where Sy, is the multipath gain, ¢ is the phase associated
with the 1™ cluster and k™ ray, [ is the number of clusters,
k is the number of arrival rays within the I cluster, T; is
the arrival time of the I"" cluster, , is the arrival time of
the k" ray within the I"" cluster, and wy,; is the arrival
angle of the k™ ray of the I'" cluster [9].

In the case of small bandwidths, multipath
components fall within the bins on the delay axis which
follow either Rayleigh or Rician distributions [9];
however, when using Ultra Wide-Band (UWB) systems
the number of components falling within the delay bins
is less; therefore, the Central Limit Theorem is no longer
valid. In such a case, the 802.15.3a standard model is
adopted to consider these effects [9]. Indoor systems can
be considered as pico-cell arrangements, a single pico-
cell arrangement together with a general MIMO scheme
is proposed in [10]. The MIMO system shows the
potential to improve system performance.

MIMO antennas are widely used in 5G systems to
increase data rate [11], one of the major concerns
regarding designing a MIMO antenna is the mutual
coupling, several research papers tackled this problem
and obtained a lower mutual coupling [12]. Improvements
on the IEEE 802.11n indoor channel were made by [13]
where more realistic channel representation for MIMO
systems using uniform circular array antenna at either the
transmitter or the receiver was established and studied.
In their work, the spatial and temporal clustered channel
model developed involving treating the reflected rays
as clusters. In [14] capacity investigations on hybrid
uniform linear and circular arrays were conducted, it was
concluded that using multi-cluster based approach gives
more accurate results compared to single cluster case
which leads to better optimum design of antenna.

Mutual coupling reduction has been studied
extensively in the literature using meta-material [15, 16],
periodic multi-layered EM bandgap structures [17], and
orthogonal structure [18].

The small-scale effect is undesired and has to be
removed; there are two methods to remove small scale
effect, the first method takes the power sum of all
multipath rays, known as “power sum prediction, (PS)”
[29]:

(Pps) = Xm Pu, (2)
where (Pps), M, and Py are the averaged power using the
PS method, number of multipath rays and power of each
individual ray respectively.

The second method takes the average of the squared
sum of all-electric fields (amplitudes and phases): this is
known as “vector sum prediction (VS)” [29]:

(Pys) = | S P eI, 3)
where (Pys) is the averaged power using the VS method
and g is the M™ ray phase in radians.

Wireless InSite supports both methods, it is up to the
user to select the operating method from the settings.
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Practically, it’s difficult to use the PS averaging method,
especially at higher frequencies therefore, VS averaging
method is used instead.

In [30] a comprehensive study on estimating local
mean signal strength in indoor environments using
VS averaging method was conducted using a different
number of samples, different arrangement sizes and
different arrangement configurations. In this paper,
different indoor path loss prediction parameters are
investigated for different sets of frequencies. The
organisation of this paper is as follows: Section Il
presents the methodology adopted in the conducted
study and describes the simulation setup and the
procedure followed to evaluate each model. Section Il
investigates the collected results; a comparative study
between the investigated models is conducted, and
finally, conclusions and recommendations are presented.

I1. PROBLEM DEFINITION AND
METHODOLOGY

The main target of this paper is to understand, the
performance of some popular indoor path loss models at
millimetre wave frequencies. Many indoor path loss
models have been studied in literature, some models
consider free-space loss along with losses due to walls
and floors like Motley Keenan Model (MKM) [19],
averaged wall loss model (AWM) [7], ITU-R P.1238
model [20], COST231 indoor model [21], and enhanced
COST231 [22]. Another set of models use free space
propagation model with different values for the path loss
exponents (PLE) like single slope model (SSM) [23],
two slope model (TSM) [24], and partitioned model
(PM) [25].

Some models consider the effect of free space
propagation in addition to attenuation factors which
depend on the nature of the tested environment and the
operating frequency like linear attenuation model (LM)
[26].

Since simulations are conducted for a single floor,
propagation through floors will not be investigated since
COST231 model will turn into Motley-Keenan model.
Similarly, the ITU-R P.1238 model will be reduced to
a single slope model. The examined models include
Motley-Keenan model, single slope model, two slope
model, linear attenuation model, averaged wall loss
model and partitioned model. The multi-floor
propagation environment will be discussed in another

paper.

A. Single Slope Model (SSM)
The received power at any distance is given by [23]:
P.(dB) = Py(dB) — 10nlog,,(d), 4
where Py is the reference power measured at a 1 m from
the transmitter, n is the path loss exponent and d is the
distance from transmitter (Goldsmith, 2005).



B. Two Slope Model (TSM)

In [24] two-path loss exponents were used to have a
better fitting for the signal strength variation, the first
PLE n; is applied for the “near transmitter propagation”
where no obstruction in the 1% Fresnel zone, while
the second PLE n, is applied for the ‘“breakpoint
propagation” when furniture and other obstacles fall in
the 1% Fresnel zone and PLE is larger than free-space
path loss,

PZPO_
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C. Linear Attenuation Model (LAM)
Instead of using the path loss exponent, a loss factor
a was proposed to be added to the free space loss [26],
P.(dB) = Py(dB) — 20log;o(d) —a-d, (6)
where d represents distance in metre.

D. Partitioned Model (PM)
Predetermined values of n are used depending on
the transmitter-receiver separation [25]:
P =

3
1, 10g10(d) d < dy, 2010g110 d, ) im < dds 10m
0 d , (5) 20+ 30logp—,10m < d < 20m
n; 1og1o(dyp) + 1210810 <d_> d > dpyp P, — P . @
bp 29 +601l0gy95;,20m < d < 40m
where dp, is the breakpoint distance. d
| 47+ 120log;o,s, d>40m
o Access Point AP4 AP3
B ReceiverPoint ° °
< > 49.78 m > -
2
R | Route 2 | L, | 3 £
AP2 |° ! // Route 6 l r = §
P i = o
AP6
Bl L4 1] ¥
& /v~°° | 3
N =
o / Route 1
’ AP5 AP1 |
< > 63.19 m <« >
Fig. 1. Simulated experiment in the 3rd floor Chesham building, University of Bradford.
E. Motley-Keenan Model (MKM) P.(d) = Py — 201log,o(d) — Wy * L. 9)

In Motley-Keenan Model, losses are estimated by
considering the free space propagation loss in addition to
the effect of walls and floors [19],

L =Lps+Le + Sioy Nyl + Zioy NyjLyy, (8)
where Lgs, L¢, Ny, Nf, Ly, Lg, {, and j are the free space
loss, a constant term (loss at a reference distance
do = 1 m), number of walls, number of floors, wall loss
factor, floor loss factor, type of wall and type of floor
respectively.

F. Average Wall Model (AWM)

This model is similar to MKM; however, due to
multipath and waveguiding effects, losses from walls are
considered as correction factors, in other words, wall
losses WamL can be positive or negative whatever makes
the best fit for the measurements, the received signal
strength after the L™ wall is given by [7]:

Upon applying the above equations, there is a set of
unknown parameters to be estimated, these parameters
include PLE for SSM (i.e., n), PLE for TSM (i.e., n1, ny),
attenuation factor (AF) for LM (i.e., a), wall losses for
MKM (Lwi), and averaged wall losses for AWM (Wawwm).
The estimation of these parameters is explained in the
next section.

1. SIMULATION SETUP

Figure 1 shows the examined scenarios in the
simulated environment; these routes are chosen in a
representative way for the indoor environments, route
1 and 4 represent propagation in lab offices, which
have both concrete and drywalls. Route 2 represents
propagation in lecturers’ offices which mainly have
concrete walls, route 3 represents propagation in lab
offices with drywalls only. Route 5 represents
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propagation in the environment with concrete walls only
while route 6 represents propagation in corridors. MIMO
antenna systems are widely integrated into the mm-wave
applications, therefore in our simulation a 16x16 MIMO
circularly polarised antenna system was used with a A/2
spacing between elements. Access points transmit power
is 20 dBm, receiver sensitivity was set to -120 dBm.

In this paper, simulations were conducted using
Wireless InSite ray-tracing software for high-frequency
ranges namely, 28 GHz, 60 GHz, and 73.5 GHz, their
corresponding bandwidths are 0.8 GHz [4], 2.15 GHz
[27], and 2 GHz [28] respectively. The Wireless InSite
scenarios settings are presented in Table 1.

Table 1. Wireless InSite settings for the investigated
scenarios

Property Setting
Number of reflections 6
Number of transmissions 4
Number of diffractions 1
Number of reflections before the 3
first diffraction
Number of reflections after the 3
last diffraction
Number of reflections between
. . 1
diffractions
Number of transmissions before 2
the first diffraction
Number of transmissions after 2
the last diffraction
Number of transmissions 1
between diffractions
Ray tracing method SBR
Propagation model Full 3D

As shown in Fig. 2, the simulation environment
considers concrete walls, drywall, glass, wooden doors
and tables, metal cabinets and indoor foliage which
makes the environment more representative. The model
also considered the effect of the interaction between
building materials and operating frequencies as shown in
Table 2 according to the ITU-R P.2040 recommendations
[31]. The purpose of this study is to evaluate the
behaviour of each model with high frequencies, these
frequencies are proposed for use in the 5G systems.
Simulations took place in a simulated environment of
B3-wing, Chesham Building, University of Bradford.

In Wireless InSite, received signal strength (RSS)
data were collected over routes shown in Fig. 1, since
path loss models are used to predict the signal strength
along a route, we took samples from the simulated data
and then models’ parameters were generated using a
Matlab routine such that they make the best fit to the
samples. After that, those parameters are passed to a
Matlab routine to predict the RSS for each model for the

ACES JOURNAL, Vol. 35, No. 2, February 2020

investigated routes. Root means Square Error (RMSE)
between the Wireless InSite data and the generated path
loss models data is used as a performance metric, the
smaller the RMSE, the better the model.

Table 2: Material properties with frequency

Freguency (GHz) 28 60 75.3
Concrete |—¢- 531 531 531
. 0.48 0.90 1.06

c 6.27 6.27 6.27

Glass e 023 057 072
c 1.99 1.99 1.99

Wood - 017 0.38 0.47
Drvwall % 2.94 2.94 2.94
yw . 0.12 0.21 0.24

BN Concrete Wall
B Drywall
 Glass
 Wood

== [ndoor foliage
S Metal

Fig. 2. 3D view of the simulated environment for B3-
wing, Chesham Building, University of Bradford.

IV. RESULTS AND DISCUSSIONS

Figure 3 shows propagation through the corridor at
(a) 28 and (b) 73.5 GHz. As seen in the figure, there
is a remarkable path loss difference between the two
frequencies; at 73.5 GHz most of the RSS values fall
down -100 dBm after 20 m, while at 28 GHz, all RSS
readings are above -90 dBm for the entire route. Since
the operating frequencies are at millimetre wave, walls
tend to act as reflectors. In the following discussion, we
refer to each simulation run through one of these
propagation cases as a scenario.

Propagation through drywalls (Route #3 in Fig. 1) at
60 GHz is presented in Fig. 4. At low frequencies waves
penetrate drywalls with small losses; as frequency
increases, drywall losses will increase as its electrical
properties will change. The RMSE for AWM, SSM, LM,
PM, MKM and TSM models in dB are 8.61, 15.6, 13.6,
19.14, 9.1, and 10.12 respectively. Wall losses-based



prediction models (MKM and AWM) show good
performance while SSM, and PM which use PLEs have
poor performance, the same observation was recorded
with LM which uses AF. TSM, on the other hand, shows
better performance as it uses two PLEs instead of one.

| ] N
al -
|

=1

=
| -
l\’l[‘ _L
|
i | L 1 |
(a) (b)

Fig. 3. Propagation paths through a corridor at: (a) 28
GHz, and (b) 73.5 GHz.
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Fig. 4. Propagation through Drywalls at 60 GHz.
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Propagation through concrete walls (Route #5 in
Fig. 1) at 73.5 GHz is presented in Fig. 5. The average
signal loss for a wave propagates through the concrete
wall is in the range of (20 - 30) dBm. Unlike wall losses-
based model, PLE-based models and LM were unable
to represent the sharp changes in RSS level, PM
underestimates the losses through concrete walls; since
it uses fixed values for PLEs. The RMSE for AWM,
SSM, LM, PM, MKM and TSM models in dB are 8.56,
10.44, 17.6, 28, 10.43, and 12.1 respectively.

E —Simulations *=**= MKM
3 BN g DA e PM
O R N T ——
2 -80f
o
=)
2100t
©
Q
4]
® 120 | -

2 4 6 8

Distance (m)

E Is '[——Simulations =-=-- TSM
2 oor ---LM waren SSM
g
z -80f
o -
ge] 4
2 100t
§ 'ﬂ'\‘\q{ tane
& 120 i3

Distance (m)
Fig. 5. Propagation through concrete walls at 73.5 GHz.

Figure 6 shows propagation through the corridor
in the simulated environment (Route #6 in Fig. 1) at
28 GHz; propagation paths are shown in Fig. 3 (a). The
RMSE of the AWM, SSM, LM, PM, MKM and TSM
models in dB are 10.05, 4.03, 3.87, 18.04, 10.05, and
2.98 respectively. Waveguiding effect has a great impact
on the propagation through corridors, therefore models
that have parameters that only counts for losses (like
AWM, MKM, and PM) will be insufficient to predict the
signal behaviour. On the other hand, models that use the
PLEs and AF tend to have better performance as they can
predict the signal strength more accurately. TSM model
shows the best performance, where (n1, nz) found to be
1.56 and 3.41 respectively. LM shows the second-best
performance, where a = 0.3 adjusts the path loss values
to consider the effect of waveguiding propagation. SSM
shows third-best performance where y is found to be
2.88 which can be regarded to the effect of waveguiding.
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In this particular scenario, both AWM and MKM
performances are not accurate as the models use the
simple Friis formula (y=2) due to the absence of
walls. However, propagation in the indoor environment
including corridors does not generally follow Friis
formula. PM shows the worst result as it does not
consider the waveguiding effect.
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Fig. 6. RSS through the corridor at 28 GHz.

It’s observed for high frequencies, that AWM does
not provide a significant improvement over MKM; this
may be regarded as the fact that AWM uses a similar
concept of MKM. However, losses due to walls may be
positive (i.e., add gain rather than loss). This may be
possible for UHF or WLAN frequencies. At higher
frequencies like millimetre wave frequencies, wall
penetration losses become higher and it's unlikely to
have a stronger signal level even if the wall is thin or
made from a material that has very low conductivity.
Table 3 shows how wall losses for AWM and MKM are
close. As a result, the behaviour is almost the same as
seen in Fig. 7, therefore, there is no great distinction
between the two models at high frequencies. Metrics
comparison for the investigated frequencies are presented
in Tables 4, 5, and 6 which show similar performance for
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Fig. 7. Performance comparison between all investigated
models.

The PM shows poor results as the mean RMSE
for all scenarios and frequencies exceeds 20 dB; this
is because the model has fixed PLEs which do not
necessarily fit any geometry at any frequency. The result
is consistent with the metrics presented in Tables 4, 5,
and 6 where the PM has the worst performance statistics.

Using two PLEs gives the TSM more flexibility
and advantage over SSM as seen in Fig. 7 where TSM
outperforms SSM for more than 83% of the tested
scenarios. This also is confirmed by metrics statistics. In
some scenarios, the dataset used for generating PLES for
TSM may not be adequate, therefore, SSM may have
similar or better performance as shown in the figure.

Both LM and SSM have similar performance as
shown in Fig. 7, this demonstrates the similarity between
a and y. LM has better results at 28 GHz and at 60 GHz
since the performance is more stable as depicted in
Tables 4 and 6. At 60 GHz, SSM outperforms the LM
and shows more stable performance as shown in Table
5.

Table 4: Metrics statistics for examined models at 28
GHz (in dB)

the two models. Max. Min. STD Average
RMSE RMSE RMSE
Table 3: Estimated wall losses for AWM and MKM in dB AWM 10.60 8.2 0.93 9.58
Frequency Concrete Drywall SSM 24.93 4.03 6.79 15.60
(GH2) MKM | AWM | MKM | AWM LM 18.24 3.87 5.49 14.88
28 27 27 7 6.82 PM 27.90 14.11 4.74 19.51
60 24 23.5 8 8.02 MKM 10.72 8.20 0.96 9.67
73.5 24 23.5 9 9.23 TSM 18.70 3.01 5.55 11.50




Table 5: Metrics statistics for examined models at 60
GHz (in dB)
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Table 8: Overall performance for all models at all
frequencies (dB)

Max. Min. Average Min. Max. Average

RMSE | RMSE | °'P | RMSE Model | ovse | rRmse | TP | RMsE
AWM | 2118 718 | 525 | 1086 AWM | 6.67 2171 | 419 | 1042
SSM | 15.78 9.40 | 294 | 1380 SSM | 4.03 2493 | 427 | 1439
LM | 17.77 654 | 368 | 13.22 LM 3.87 1824 | 403 | 14.24
PM | 24.97 634 | 675 | 1640 PM 6.34 2795 | 605 | 18.00
MKM | 21.18 728 | 519 | 1097 MKM | 6.62 2171 | 417 | 1046
TSM | 16.23 339 | 408 9.97 TSM | 3.01 1870 | 4.19 9.89

Table 6: Metrics statistics for examined models at 73.5
GHz (in dB)

Max. Min. STD Average

RMSE RMSE RMSE

AWM 21.71 6.67 5.48 10.83
SSM 15.31 10.44 2.19 13.79
LM 17.64 9.42 3.13 14.64
PM 27.95 9.17 7.12 18.12
MKM 21.71 6.62 551 10.77
TSM 12.11 5.09 2.43 8.22

The averaged estimated values for PLEs and AF
parameters are presented in Table 7. As seen in the
table, «, y, and n; tend to increase linearly as frequency
increases from 60 to 73.5. These increments point to losses
increments as frequency increases. Since propagation at
28 GHz covers a larger range, it is expected to have
larger values for the investigated metrics. In corridors, y
found to be 2.87, 4.03, and 4.1506 at 28, 60, and 73.5
GHz respectively. While « tends to be 0.3, 0.9, and 1.2
for the same set of frequencies.

Table 7: Averaged estimated parameters for LM, SSM
and TSM

Frequency a y n n2
(GHz) | (dB/m)
28 2.38 5.18 0.58 25.88
60 1.62 5 0.4 16.3
73.5 2.34 5.03 1.19 24.52

In Table 8 performance comparison between all
models at all frequencies and scenarios is presented,
TSM shows the best performance as it has lowest RMSE
for 44.44% for all tested scenarios, PM shows the
worst performance for all examined frequencies. The
descending order of the Models” performance is TSM
then AWM/MKM, LM, SSM, and PM.

The propagation area is larger at 28 GHz; therefore,
the signal can reach further distances and more walls are
included, in this case, both MKM and AWM will have
better performance compared to the TSM which will
have difficulty to represent this large area with only two
PLE’s.

V. CONCLUSIONS

A comparative study between different indoor path
loss prediction models has been presented, based on
models generated using Matlab and compared to
Wireless InSite ray-tracing software simulations. It was
found that MKM and AWM have similar performance
for high frequencies. Also, it was found that both models
show good performance for path loss predictions through
walls while their predictions for LOS propagation
regions and corridors are pessimistic; on the other hand,
models based on path loss exponents and attenuation
factors show good performance at these regions and have
poor performance for path loss predictions through
walls. TSM tends to have the best performance while
AWM/MKM show the best performance. LM and
SSM have close performance and their corresponding
parameters tend to increase as frequency increases. For
all frequencies, PM had the worst results as it uses fixed
values for path loss exponents.
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Abstract —Based on the full-wave electromagnetic
simulation and the principle of near-field diagnostics, the
near-field scattering characteristics of typical scatterers
illuminated by vortex electromagnetic waves are studied.
It’s shown from the simulation data that the ability
of identification of scatterer characteristics by vortex
electromagnetic wave is higher. In addition to the
amplitude and phase patterns, the orbital angular
momentum (OAM) modal spectrum patterns of the
scattering field also carry the information of the geometric
shape and material characteristics. The application of
OAM modal spectrum patterns will help to improve the
ability of information acquisition and target detection of
electromagnetic wave.

Index Terms— Near-field scattering, OAM modal
spectrum, vortex electromagnetic wave.

I. INTRODUCTION

Electromagnetic theory shows that electromagnetic
(EM) wave can carry not only linear momentum, but also
angular momentum. Angular momentum can be divided
into spin angular momentum (SAM) and orbital angular
momentum (OAM). SAM corresponds to the polarization
of EM wave, and OAM depends on the phase structure
of EM wave front, which describes the transverse vortex
modes of helical beam. Vortex EM wave is a kind of
wave with non-zero mode OAM. There is exp(jlo) phase
factor in the field expression of the vortex EM wave, in
which ¢ is the azimuth angle around the propagation
direction, and | is the OAM mode number, also known
as the topological charge. Theoretically, there are infinite
OAM modes for the vortex EM wave. These OAM
modes are orthogonal and completeness, constituting an
infinite dimension linear space, which is called as OAM
modal spectrum domain. Using OAM modal spectrum
characteristics to enhance the information transmission,
acquisition and target detection has become a very
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attractive research direction in the field of microwave
communication, radar detection and target recognition
[1-3].

Scattering characteristics of vortex EM waves are
of great scientific significance in both information
transmission and information acquisition. For information
transmission, due to the influence of space environment,
complex effects such as dispersion loss, reflection,
refraction, fading and multipath will occur during the
propagation of vortex EM wave, which leads to the
distortion of vortices and the coupling between OAM
modes. The interaction between the vortex EM wave
and various obstacles in the propagation process can be
attributed to the scattering effect. For information
acquisition, the study of electromagnetic scattering
characteristics is the basis of radar detection and
recognition.

Because of the potential of vortex EM waves in
radar imaging, recently some research groups have
published research work on radar imaging technology
based on the OAM characteristics, trying to improve the
resolution of radar imaging [4-6]. In present research of
radar imaging technology based on vortex EM wave, the
targets are always simplified as the combination of ideal
scattering points, ignoring the phase gradient of the
incident wave illuminating on the target. Recent advances
have shown that the response of complex targets and
ideal scattering points to vortex EM wave is quite
different, which is reflected not only in the spatial pattern
of scattering field, but also in the OAM modal spectral
domain. Zhang et al. published an experimental study on
RCS diversity effects of vortex EM wave irradiation on
complex targets [7]. The results show that for simple
targets, such as metal spheres, the same RCS fluctuation
characteristics can be obtained under different modes of
vortex EM wave irradiation, but for a slightly complex
target such as bi-metallic sphere combination, even if
the incident angle is the same, different modes of vortex
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EM wave can also obtain different RCS. Tang et al.
published the results of scattering characteristics of chaff
clouds on vortex EM wave [8]. The results show that for
a single small dipole, the scattering is not different from
that of the plane wave, but for a cloud composed of a
large number of dipoles, the scattered wave has a unique
distribution in the OAM modal spectrum domain.

The OAM modal characteristics of vortex EM wave
mainly exist in the near field region. With the increase of
propagation distance, the OAM modal characteristics
will gradually degenerate. Therefore, it is more practical
to study the near-field scattering of the vortex EM wave,
which may play an important role in target detection and
recognition.

Based on the commercial EM simulation software
FEKO and the principle of near-field diagnostics, the
near-field scattering characteristics of typical scatterers
illuminated by vortex EM wave are studied in this
paper. The full-wave simulation near-field diagnostics
are adopted to extract the scattered near-field in Section
I1, in which the OAM modal analysis is also presented.
Some simulation results are shown in Section Ill, and
Section 1V is the conclusion.

I1. EXTRACTION OF SCATTERED NEAR-
FIELD AND OAM MODAL ANALYSIS
Nayeri, Elsherbeni and Yang proposed a near-field

diagnostic method based on full-wave electromagnetic
simulation software FEKO for reflect-array antenna
analysis [9]. Based on this method, the scattered near-
field of target illuminated by vortex EM wave is extracted.
The process is as follows:

a) Establish the model of the vortex EM wave
transmitting antenna in FEKO. In this paper, the circular
phased dipole array is used as the transmitting antenna.
The radiation field of the transmitting antenna on the
scattering field sampling plane is simulated and recorded
as the incident field E;.

b) Establish the model of the transmitting antenna
and scatterer in FEKO. The field intensity on the
scattering field sampling plane is simulated and recorded
as the total field E;.

¢) Read the incident field and total field data by a
Matlab code, and subtract the incident field from the total
field, then get the scattering field Es:

Es=E-F. @

The phase gradient method has been proposed to
detection the OAM mode, in which the signal phases
received by two antennas are compared [10]. However,
the scattered near-field by complex object illuminated
by OAM wave has disorderly phase distribution. The
calculated OAM mode spectrum will be depended on the
position of the receiving antennas. In order to achieve a
comprehensive spectrum analysis of the scattered near
field, an aperture integral approach is proposed in this
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paper based on the orthogonality of the OAM mode.
Assuming an imaginary receiving antenna with aperture
S is set to receive the scattering field, the received OAM
modal spectrum can be calculated as the following
formula:

P(l)= iIES(X, y)e !7dxdy @)
S

where | is the OAM mode number, S is the receiving
antenna aperture, defined as a circular area of radius [0,
R] and angle [0, 2], As is area of the receiving aperture.
¢ is the phase angle of the complex number x+jy. The
scattering field data obtained by FEKO software is
sampled on rectangular grid, so the OAM modal spectrum
can be expressed as a summation form:

Pl)-r Y Emak
S (m,n)eS

where Ns is the number of sampling points falling into
the receiving aperture range.

A slotted conductor plate which had been simulated
and measured in Ref. [11] is used in this paper as an
illustration to check the near-field diagnostic process
based on FEKO simulation.

Horn antenna

Slotted metal plate

Fig. 1. Hlustration example for determining the surface
scattered magnetic field on a slotted metal plate
illuminated by a horn antenna.

The checking illustration is shown in Fig. 1, in
which a metal plate containing two slots is illuminated
by a horn antenna. According to Ref. [11], the size of the
plate is 30.5cmx30.5cmx0.31cm, and the two slots are
20cmx3.8cm and located symmetrically about the plate
center with a distance 11.1cm. The distance between the
slotted plate and the horn antenna is 107cm. The incident
electromagnetic wave is x-polarization and the frequency
is 2GHz.

The near-field diagnostics process is used to extract
the scattering magnetic field on a sampling plane which
is at the distance 1.27cm from the slotted plate. In
order to compare it with the measured data, the “back-
propagation approach” [11] is adopted to transform the
magnetic field on the sampling plane to on the slotted
plate. The normalized scattered magnetic field is shown
in Fig. 2, which is in good agreement with the measured
data presented in Ref. [11].
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In order to check the OAM spectrum analysis
method, the spectrum of a vortex EM wave with
noninteger OAM state is examined by the aperture
integral approach and the Fourier series method [10, 12]
respectively. The mode number of the incident wave is
set to 0.5. The radius of the receiving aperture is 22, and
the sample spacing is 0.1ko. The spectrum patterns of the
two methods are accordant, as shown in Fig. 3.

Results of this paper

X Measurements in Ref. [11]

y/d
(@)

Results of this paper |
X Measurements in Ref.[11]

x/d
(b)

Fig. 2. Normalized scattered magnetic field on the slotted
plate. Incident electric field is parallel to the slots. (a)
Cross section of the magnetic field in the y-direction, and
(b) x-direction are shown.
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Fig. 3. OAM spectrum of the vortex EM wave with
OAM mode [=0.5.

I11. SIMULATION EXAMPLES

A. Scattering of PEC plates
The circular four-element phased array is used as the
vortex EM wave transmitting antenna. The radius of the

array is 1Ao and the radiated electric field is x-polarized.
As shown in Fig. 4, a 10Xox 100 rectangular PEC plate
is symmetrically placed on the propagation axis of the
transmitting beam, 30X away from the transmitting array.
Based on the simulation results of FEKO software, the
scattering field is extracted by using the near-field
diagnostics method. The scattering field sampling plane
is 10X away from the plate. Figure 5 shows the amplitude
and phase pattern of the x-polarization scattering field
and the OAM modal spectrum. When calculating the
OAM modal spectrum, the receiving aperture is a circle
with radius of 1Ao. Figure 5 (a) shows the magnitude of
the scattering field, from which the edge of the plate can
be roughly seen. The phase pattern shows that the
scattering field of the conducting plate is still a vortex
EM wave with first order OAM. Figure 5 (c) shows the
mode spectrum of the scattering field, which confirms
that the first order mode is still dominant.

—

Incident
OAM wave
Scattering field

PEC plate sampling plane

Fig. 4. Scattering of the OAM waves by a PEC plate.
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Fig. 5. Backscattering field of the PEC plate illuminated
by the OAM wave with I1=1. (a) Amplitude, (b) phase,
(c) modal spectrum. The plate is placed symmetrically
perpendicular to the axis of the OAM wave, 30X from
the transmitting antenna array, 10k from the scattering
field sampling plane.

If the transmitting antenna is fed in-phase, the OAM
modulus of the transmitting beam is turn to zero. Figure
6 shows the amplitude, phase and mode spectrum patterns
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of the scattering field. Compared with Fig. 5, it can be
seen that the vortex EM wave with OAM mode number
I=1 has better identification ability for the edges and
corners of the plate. Note that the mode spectrum
magnitude in Fig. 5 (c) is much smaller than that in Fig.
6 (c). It can be attributed to the amplitude nulls in the
beam direction for OAM wave.
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Fig. 6. Backscattering field of the PEC plate illuminated
by the OAM wave with 1=0. (a) Amplitude, (b) phase,
and (c) modal spectrum. The plate is placed symmetrically
perpendicular to the axis of the OAM wave, 30X, from
the transmitting antenna array, 10X from the scattering
field sampling plane.
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Fig. 7. Backscattering field of the PEC plate illuminated
by the OAM wave with I=1. (a) Amplitude, (b) phase,
and (c) modal spectrum. The plate is placed perpendicular
to the axis of the OAM wave and deviates from the axis
by 5ko, 30X from the transmitting antenna array, 10kg
from the scattering field sampling plane.

It can be seen from Fig. 5 that the scattering field of
the PEC plate arranged axially symmetrically along the
vortex EM wave propagating axis maintains the OAM
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mode spectrum of the incident wave well. Now the plate
is shifted 5ko perpendicular to the axis of the OAM wave.
Then the vortex EM wave illuminating on the plate will
no longer have a complete phase gradient distribution. It
can be predicted that the scattering field will no longer
have a simple first-order OAM mode. The simulation
data shown in Fig. 7 verifies it. It can be seen that besides
the first-order OAM, the 0-order OAM component in the
scattering field is also stronger.

B. Scattering of cones

The scattering of OAM waves by a conducting cone
is investigated, as shown in Fig. 8. The diameter of the
conical surface is 10X and the height is also 10ko. The
conical axis coincides with the propagation axis of the
vortex EM wave. The top of the cone points to the
transmitting antenna at a distance of 30Ao. The sampling
plane of the scattering field is 10X from the top of the

cone.

cone

D

Incident
OAM wave

Scattering field
sampling plane

Fig. 8. Scattering of the OAM waves by a cone.

Similarly, a four-element circular phased array is
used as the vortex EM wave transmitting antenna. The
amplitude and phase patterns of the scattering field on
the sampling plane are shown in Fig. 9. From the phase
pattern, it can be seen that in a small area around the
center, the scattering field still has good first-order OAM
characteristics, but in other areas, the spiral phase
distribution has not been seen. Figure 10 shows the
OAM modal spectrum obtained from different receiving
apertures. It can be seen that when the receiving aperture
exceeds the radius of the bottom of the cone, the high-
order OAM mode will increase significantly.

-0.05 0 0.05

(b)

Fig. 9. Backscattering field of PEC cone illuminated by
the OAM wave with I=1. (a) Amplitude and (b) phase.

Replaced the PEC cone by a dielectric cone with
same size and the dielectric constant is &=4.0. Figure 11
shows the scattering field on the sampling plane when
the incident wave is first-order OAM and 0-order OAM,
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respectively. The receiving aperture is a circle with
radius of 2. It can be found that the vortex EM wave
has higher recognition ability for conical vertices. Besides
the amplitude and phase, the OAM modal spectrum
pattern also reflects the characteristic information of
scatterers. Compared with the PEC conical scattering,
the bottom edge diffraction effect of the dielectric cone
is obviously weakened, and the parasitic OAM mode

[=-1 is enhanced.
0.1
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g £ 005 E
5 5 5001
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Fig. 10. OAM modal spectrum patterns of the scattering
field of the PEC cone illuminated by OAM wave with
I=1. Receiving aperture radius: (2) R=\o; (b) R=2)0; (C)
R=5Xo.
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Fig. 11. Scattering field of the dielectric cone illuminated
by OAM wave. (a) Amplitude, (b) phase, and (c) modal
spectrum for the incident wave with OAM mode I=1. (d)
Amplitude, (e) phase, and (f) modal spectrum for the
incident wave with OAM mode [=0.

Lo

C. Scattering of two metal spheres

A case of scattering of vortex EM wave from multi-
targets is investigated. As shown in Fig. 12, two
metal spheres with radius 2.5X and distance 10Ao are
symmetrically placed on the propagation axis of the
transmitting beam, 30Ao away from the transmitting
array. The spheres are illuminated by a twelve-element

circular phased array. The radius of the array is 1.5M.
The OAM mode of the transmitting is set to 0, 1, 2 and
3 respectively. The amplitude, phase and OAM modal
spectrum pattern of the scattering field are shown in Fig.
13, in which the receiving aperture is a circle with radius
of 5ko. The sampling plane of the scattering field is 10o
away from the center of the spheres.

Two metal spheres Q
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YAV
- Transmitting array ()

Fig. 12. Two metal spheres illuminated by OAM circular
phased array.
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Fig. 13. Near scattering field by two spheres illuminated
by OAM wave with different mode. (a) Amplitude, (b)
phase, and (c) modal spectrum for the incident wave with
OAM mode I1=0. (d) Amplitude, (e) phase, and (f) modal
spectrum for the incident wave with OAM mode I=1. (g)
Amplitude, (h) phase, and (i) modal spectrum for the
incident wave with OAM mode 1=2. (j) Amplitude, (k)
phase, and (I) modal spectrum for the incident wave with
OAM mode I=3.
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The interference fringes can be clearly observed
from the simulated results. It is caused by the interference
of two metal spheres scattering field. The position of two
metal spheres can be clearly judged from the phase
pattern of the scattering field. Since the target no longer
has axisymmetric properties, there are many higher order
modes in the OAM spectral domain of the scattering
field. It can be found that when the mode of incident
wave OAM is 1=0 and I=2, the mode spectrum of
scattering field OAM is similar, which can be explained
as the incident wave of mode 1=0 and I=2 has the same
phase on the centers of the two spheres.

1V. CONCLUSION

It is demonstrated that the scattering field of
different targets illuminated by OAM wave does not only
show the spatial distribution of amplitude and phase, but
also exhibit unique distribution characteristics in the
OAM modal spectrum domain. Through the interaction
between the vortex EM wave and the target, more target
information can be obtained from the echo signal, which
provides a new technical way for target detection and
recognition.
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Abstract — In this paper, based on the research of back
propagation (BP) neural network algorithm optimized
by the beetle antennae search (BAS) algorithm, a
new method for predicting stranded cable crosstalk is
proposed. Firstly, the stranded wire model and the
equivalent multiconductor transmission lines model
are both established. Then, the extraction network of
the stranded wire electromagnetic parameter matrix is
constructed by using the BAS-BP neural network
algorithm. Finally, the network is combined with the
finite difference time domain (FDTD) method to solve
the near end crosstalk (NEXT) and far end crosstalk
(FEXT) of a specific three-core stranded model. The
new method has good agreement with the crosstalk
results obtained by the electromagnetic field numerical
method. The validity of the new method is verified.

Index Terms — Back propagation (BP) neural network
algorithm, Beetle antennae search (BAS) algorithm, Finite
difference time domain (FDTD) method, Multiconductor
transmission lines (MTL), Stranded cable crosstalk.

I. INTRODUCTION

In the 1960s, scholars began to study the internal
crosstalk of twisted pair [1]. Some scholars also studied
the electromagnetic characteristics of the stranded wire
in the field coupling [2-3], but the research on the
internal crosstalk of multi-core stranded wire is still less.
The stranded wire is realized by the equal-angle rotation
of the twisted single-wire winding bobbin and the
uniform forward movement of the stranded wire, which
has strong anti-interference ability [4]. It is suitable for
high working frequency.

Generally, the stranded wire crosstalk can be
analyzed by referring to the research method of the
non-uniform transmission line [5-6]. In the cascade idea
proposed by Professor C. R. Paul, the cascading uniform
transmission line is equivalent to a non-uniform
transmission line and the per unit length (p.u.l.) RLCG
electromagnetic parameter matrix can describe the
transmission equation of each uniform transmission line
[7-10]. The FDTD algorithm has good advantage in
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solving the crosstalk of non-uniform transmission lines,
which is based on the cascaded transmission line theory
(TLT) [11]. The most critical step in solving crosstalk
by using FDTD algorithm is to extract the RLCG
parameters of the transmission line. In [12], the domain
decomposition method (DDM) is used to calculate the
capacitance and inductance matrix of an arbitrary
cross-section multiconductor transmission line (MTL).
In [13], the integral equation (IE) method is used to
extract the resistance parameters of random rough
surface wires. In [14], the finite element method (FEM)
is used to solve the problem of electromagnetic
parameter extraction. In [15], the parameter matrix of the
random unit length of a circular conductor is analyzed by
using the polynomial chaotic coefficient. However, there
is no good way to extract the electromagnetic parameters
of multi-core strands.

In fact, the electromagnetic parameter matrix of the
strand changes as the stranded cable changes along the
extension axis. Also, the strand wire can be viewed as a
multiconductor transmission line with a continuously
rotating cross section at the angle of the extension axis.
In order to visualize the influence of this continuous
variation on the RLCG electromagnetic parameter
matrix of the stranded wire, BP neural network with
strong nonlinear mapping ability was introduced in our
previous research to extract the RLCG electromagnetic
parameter matrix at any position of the strand [16-18].
However, from a mathematical point of view, the
conventional BP neural network is a local search method,
which solves a complex nonlinear problem. In addition,
BP neural network is very sensitive to initial network
weights, and initialize network with different weights,
which tend to converge to different local minimums. It is
the reason why scholars get different results each time
they training [19-20]. Aiming at the defect of BP neural
network, this paper finally proposes an algorithm model
of the BAS algorithm optimization BP neural network
(BPNN). The BAS algorithm searches by the individual
beetle, which has higher precision and efficiency [21].
Finally, in the solution analysis part of the crosstalk,
this paper combines the stranded wire electromagnetic

1054-4887 © ACES
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parameter matrix extraction network with the FDTD
algorithm to estimate the NEXT and FEXT of a specific
three-core stranded wire.

Based on the BAS-BP algorithm, this paper proposes
a new approach for the electromagnetic parameter
extraction of the stranded wire. Then using the FDTD
algorithm to calculate the NEXT and FEXT of the
stranded wire. Section II defines the model of the
stranded wire and the sample extraction model of the
stranded electromagnetic parameters. Section III deals
with the specific implementation flow of the BAS-BP
neural network algorithm combined with the FDTD
method. Section IV provides the analysis of a specific
three-core stranded wire model by using the BAS-BP
algorithm combined with the FDTD method and the
verification of the crosstalk simulation. Section V
summarizes this paper.

II. STRANDED WIRE MODELING

A. Establishment of the stranded wire model

For the convenience of research, only the stranded
wire with the same cross-sectional shape is considered.
In this paper, the stranded wire is modeled on the basis
of a single spiral [22]. Figure 1 is the single spiral model.
(1) and (2) are mathematical formulas for the single spiral:

x =R, sin(al)
y =R cos(al)’ (1
z=apl/2x

a=\((R>)+(p/27)* . (2)

Fig. 1. Single spiral model.

Where R; is the radius of rotation, o is the twist
factor, p is the pitch, ap is the angle of rotation, and / is
the line length. In fact, the n-core strand is composed of
n single wires, but the starting positions of different
single wires are different. In this paper, any cross section
that is consistent with the initial cross-sectional shape of
the n-core strand is defined as the transposition of the
n-core strand, and the adjacent transpositions are
phase-shifted by 2z/n. The position of the transposition
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corresponds to the position of the stranded line is kp/n,
and the corresponding degree of radial rotation is 2kz/n,
where k=1, 2...n. Taking the three-core stranded wire as
an example, the degree of rotation of the cross section of
the transposition is 27/3, 47/3, 27, as shown in Fig. 2.

Fig. 2. Three-core stranded wire model.

B. RLCG parameter sample matrix extraction model

Stranded wires in engineering application typically
contain separate insulating layers, which may also
contain shielding layers. The finite element method
(FEM) is able to accurately and quickly solve the p.u.l.
RLCG parameter matrix of a uniform transmission
line of arbitrary cross section. AnsysQ3D is a circuit
parasitic parameter extraction software based on the
FEM algorithm, but it cannot directly extract the RLCG
parameter matrix at any position of the strand.

From the cross-section, the cross-sectional shape of
the strand at any position is the same. There is only a
change in the relative position between the strand and
the ground. From the axial extension point of view, the
stranded wire can be regarded as a multiconductor
transmission line which is formed by cascading an
infinite number of infinitely small cross section
conductors which are continuously rotated in the axial
direction. Therefore, the relative position between the
strand and the ground can be converted into a
corresponding rotation angle, that is, one pitch of the
strand corresponds to a 360° rotation angle, and the
phase difference between the adjacent two pitches is
360°. So the corresponding angle of the distance from

the pitch initial end at d is 4. 27 .
p

Any position of the stranded wire corresponds to its
own RLCG parameter matrix and the corresponding
rotation angle. For the unique property of the stranded
wire, the p.u.l. RLCG parameter matrix of the multi-core
uniform transmission line with different rotation angles
can be extracted by the above simulation software. Then
the sample parameter matrix required for the BAS-BP
neural network and its corresponding angle matrix as the
network input can be obtained.

Equation (3) is the electromagnetic parameter
matrix of the n-conductor transmission line:
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Where X represents the RLCG parameter matrix and x
represents the specific value of the electromagnetic
parameter. When the loss is not considered, the RLCG
electromagnetic parameter matrix of the transmission
line is a symmetric matrix, xj = xj. Therefore, it is only
necessary to take the main diagonal element number and
the upper triangular element of the matrix as the research
object, as shown in the formula (4), (5):

R:[’ﬂll’riZ’rZZ""’rnn]’L:[111’1127122""7lnn]’ “4)
C:[011’612’622"“56;”1]9(;:[g119g12’g229"‘9grm]’ )
Replace R, L, C and G with the column vector

. . . . T T
y:[R,L,C,G:| :[ylayza"‘bym] : (6)
Where y represents the value of the sample element of
the RLCG parameter matrix, the total number of

elements in y is m, m =2n(1+n), n is the number of core.

Figure 3 shows the RLCG parameter data processing
procedure.

C Start )

Extracting RLCG sample parameter matrices
from different angles

Extract the diagonal and upper triangular
elements of the parameter matrix

Define the angle as the network input, RLCG
as the network output

[ Norm+ahzed |
C End )

Fig. 3. Data pre-processing flow chart.

I11. BAS-BP ALGORITHM COMBINED
WITH FDTD ALGORITHM PREDICTING
CROSSTALK

A. BP neural network algorithm

The BP network is mainly composed of signal
forward propagation and error back propagation.
Forward propagation is the process, by which the signal
is input by the input layer and processed by the output
layer after being processed by the hidden layer neurons.
If the error between the predicted value and the true
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value does not meet the accuracy requirements set by the
network, it will turn to the back propagation phase of the
error. Error backpropagation is to pass the obtained error
back to the input layer through the hidden layer. In this
process, the error is distributed to each neuron and the
weight and threshold are adjusted along the direction, in
which the error function decreases the fastest. This
process continues to cycle until the error in the training
network output meets the accuracy requirements or the
number of iterations is reached.

By analyzing the number of input and output
elements, a small and medium-sized BP neural network
with only one hidden layer is selected.

Hidden layer Output layer

Input layer

Fig. 4. Topological structure of the BP neural network.

Figure 4 is a single hidden layer BP neural network
topology. The stranded wire rotation angle is the input of
the network, and the RLCG parameter column vector is
the network output. wi is the weight of the hidden layer
from the input layer to the ¢-th layer, wm is the weight of
the #-th layer hidden layer to the m-th layer output layer, ¢
is the number of hidden layer neurons, and ¢ is an
empirical range value. It is affected by the number of
input elements 7 and the number of output elements m:

t=0.5(m+n)+a,(a=12,..,10). @)

B. BAS algorithm

The BAS global search algorithm [21] is a
meta-heuristic algorithm for multi-objective function
optimization based on the principle of the beetle
foraging proposed in 2017. When the beetle is foraging,
it always distinguishes the direction according to the
strength of the food smell. The beetle has two long
antennae. If the right side of the antenna receives
stronger odor than the left side, the beetle will fly to
the right, otherwise it will fly to the left. According
to this simple principle, the beetle can effectively find
food. Similar to genetic algorithms, particle swarm
optimization, etc., the BAS algorithm can automatically
implement the optimization process without knowing
the specific form of the function and the gradient
information. However, compared with the swarm
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intelligence optimization algorithm, the BAS algorithm
only needs one beetle, the computational complexity
is greatly reduced, and its core code is only four
lines, which is easy to implement. For low-dimensional
optimization functions, it has a very high convergence
speed and convergence quality.

The algorithm flow is as following [20]:

(1) Establish and normalize the random vector of the
beetle facing:
_rands(k,1) (8)
|| rands(k,1) ||
Where rands() is a random function, k represents the
spatial dimension.

(2) Calculate the coordinates of the space position of
the beetle:

{x,,, =x'+d,*b /2 ©

Z:

- L(=0,12,..,n)"
x,=x"—d,*b/2
Where x, indicates the position coordinates of the

right-handed beard on the #-th iteration; x, indicates the
position coordinate of the left-handed beard on the #-th
iteration; x' represents the centroid coordinate of the
beetle at the 7-th iteration; d, represents the distance

between the left and right beard.
(3) According to the fitness function, it is confirmed
that the odor intensity, that is the intensity of f(x,) and

f(x,), f( is the fitness function.
(4) Update the position of the beetle:
2 =2 = o *b *sign(f(x,) - /(5,) (10)
Where o' represents the step factor at the ¢-th iteration;
sign() is a symbolic function.

C. BAS-BP neural network combined with FDTD
algorithm predicting crosstalk

The FDTD algorithm is a numerical method that
uses cascaded ideas to solve the crosstalk of non-uniform
transmission lines. According to the cascading idea, the
strand can be decomposed into a series of uniform
transmission lines of a finite number of tiny units. If
assuming that the RLCG parameter matrix of each unit is
a fixed value, the entire transmission line equation will
be solved by iteratively solving the transmission line
equation of each unit.

Figure 5 is the equivalent circuit model of the p.u.l.
multiconductor transmission lines. Where dz represents
an infinitesimal length transmission line. r; and r; are the
p.u.l. resistors that make up the resistance matrix R.
lii and [;j are the p.ul. self-inductance and mutual
inductance that constitute the inductance matrix L.
ci and cj; are the p.u.l. self-capacitance and mutual
capacitance that constitute the capacitance matrix C. gj
and gijj are the p.u.l. self-directed and transconducted that
form the conductance matrix G.
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Fig. 5. The per unit length equivalent circuit for MTLs.

According to the TLT [24], the uniform
multiconductor transmission line equation is:
Y _ g1, (11)
oz ot
A__Gy_co. (12)
oz ot

Where U, I represent the voltage and current of the
transmission line, respectively and they are a function of
space z and time ¢. Therefore, the establishment of
the multiconductor transmission line equation largely
depends on the acquisition of the p.u.l. RLCG parameter
matrix. In other words, the most important step in
solving the stranded wire crosstalk by using the FDTD
algorithm is to obtain a high-precision RLCG parameter
matrix.

From a mathematical point of view, there is a highly
nonlinear mapping relationship F between the RLCG
parameters and the rotation angle (from the initial port
position) in the strand model:

X = F(angle). (13)

This kind of functional relationship is difficult to
express with common functions, but BP neural network
can describe this mapping effectively and conveniently
[16]. At the same time, many existing researches show
that using the optimization algorithm to optimize the BP
neural network initial weights, then training the network
can greatly improve the network performance. It can
greatly avoid the problem that random initialization
causes the network falling into local optimum. Similar to
the genetic algorithm, particle swarm algorithm and
other intelligent optimization algorithms, it can better
solve the poor accuracy of the BP neural network.
However, the above optimization algorithm occupies
more computer memory, and the main program runs
longer [19]. Considering the accuracy and calculation
time, this paper uses the BAS global search algorithm to
find the optimal initial weights and thresholds of the BP
neural network, and applies it to the constructed network
to construct the final training network [21]. The model
constructed by this method can well overcome the
problems of poor stability of the BPNN and prevent it
falling into local optimum. The modeling steps are as
following:

(1) Create a random vector to be oriented by the



beetle and define the spatial dimension k. The model
structure is 1-M — N . 1 is the number of neurons in the
input layer (angle), M is the number of neurons in the
hidden layer and the number of neurons in the output
layer is N. Then the spatial dimension for searching is £,
k=1*M+M*N+M+N.

(2) Setting of the step factor o . The step factor is
used to control the regional search ability of the beetle.
The initial step size should be as large as possible to
cover the current search area and not fall into the local
minimum. This paper adopts the linear decreasing
weight strategy to ensure the fine search:

o' =o' *eta,t =(1,2,...,n). (14)

Where eta takes the number close to 1 between [0,1],
and takes 0.8 in this paper.

(3) Determine the fitness function. The root mean
square error (MSE) of the test data is used as a fitness
evaluation function to advance the search for spatial
regions. The function is:

N
fitness = MSE = %Z (t,,@)=v,) (15)
i=1

Where N is the number of samples for the training
set; ¢ (i) is the output value for the model of the

i-th sample; y. is the actual value of the i-th sample.

Therefore, the position where the fitness function value
is the smallest when the algorithm iterates to stop is the
optimal solution for the problem.

(4) Initialize the beetle position. The initial parameter
takes the random number between [-0.5, 0.5] as the
initial solution set of the BAS algorithm, which is the
initial position of the beetle, and saves it in bestX.

(5) Evaluation. The fitness function value at the
initial position is calculated from the fitness function (15)
and stored in bestY.

(6) Update the position of the beetle. According to
the formula (9), the position coordinates of the left and
right beards are updated.

(7) Updating of the solution. According to the
position of the left and right whiskers in the algorithm
of the beetle, the right and left fitness function values
are respectively obtained. Comparing the intensity and
updating the position of the beetle according to equation
(10), that is, adjust the weights and thresholds of the
BP neural network. Then calculating the fitness function
value at the current position. If the fitness function value
at this time is better than bestY, it should update bestY,
bestX.

(8) Iterative stop control. Determining whether the
fitness function value reaches the set precision (taken
as 0.000005) or iterates to the maximum number (100
generations). If the condition is met, it goes to step (9).
Otherwise, it returns to step (6) to continue iteration.

(9) Optimal solution generation. When the algorithm
stops iterating, the solution in the bestX is the optimal
solution of the training, that is the optimal initial weights
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and thresholds of the BP neural network. The above
optimal solution is brought into the BP neural network
for secondary training and learning. Finally, the stranded
wire RLCG parameter matrix extraction model is formed.

( Start )
v
[ BASinitialization |

]

v
[ Initial BPNN threshold |

Processed

v
data Create BPNN |

—]

[ Update the position of the beetle |

Calculate the position of the beetle |
v

[ Calculating fitness values |

Update
search step
size

| Extracting optimal weight and threshold |
( End )

Fig. 6. The BAS algorithm optimized BP neural network
flow chart.

By combining the RLCG parameter matrix
extraction network at any position of the strand and the
FDTD algorithm, the crosstalk of the strand can be
predicted. Based on the above discussion, the specific
flow chart of BAS-BP neural network model combined
with FDTD algorithm for predicting crosstalk is given.
Fig. 6 shows a flow chart for the BAS algorithm to
optimize the initial weights and thresholds of the BP
neural network. Figure 7 shows a flow chart for the
BAS-BP neural network RLCG parameter extraction
model combined with the FDTD algorithm to predict the
stranded crosstalk.

Start

[ Processed data > Create new BPNN |

v
Optimized BPNN weight and
threshold

v
| Any angle, position RLCG |
v

Combined with FDTD
algorithm
v
Crosstalk prediction

End

Fig. 7. The BAS-BP algorithm combines the FDTD
method predicting crosstalk flow chart.
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In this experiment, the BP neural network model
adopts single input and single hidden layer setting.
According to the empirical formula of hidden layer
neurons (7), the value range of hidden layer neurons
is [7,17]. In order to improve prediction accuracy,
comparing the MSE values under the number of neurons
in each hidden layer in turn, and select the optimal ¢
value, that is, the number of neurons in the hidden layer
is 12. Therefore, for the three-core stranded wire, the BP
neural network structure is set to 1-12-12, and the
dimension of the search space of the beetle search
algorithm is 180. Since there are no effective guiding
theories and methods for setting the step factor in the
BAS algorithm, the trial and error method is used here
to determine the initial step size 6° = sgrt(k), and the

number of iterations n = 100.

IV. VERIFICATION AND ANALYSIS

A. Verification test of the BAS-BP algorithm

In order to facilitate the research, this paper uses
three-core stranded wire as an example to verify and
analyze the proposed method. The wire radius in the
wire harness is 0.89 mm. The insulating material of the
wire is a PVC material having a relative dielectric
constant of 2.7. The wire thickness is 0.8 mm. The wire
length is 1000mm. The wire to ground distance is 8mm.
Connecting 50Q resistors at both ends of the wire. The
details are shown in Table 1. The specific distribution
pattern to the ground is shown in Fig. 8.

Table 1: Three-core twisted cable

Parameters Values
Number of cores 3
Single wire radius 0.89 mm
Single wire conductivity 58000000 S/m
Single wire insulation thickness 0.8 mm
Insulation layer relative permittivity 2.7
Pitch 1000 mm
Height 4mm
0.89mm
R0.8mm
g
£

Ground

Fig. 8. Three-core stranded wire cross-section distribution
pattern.
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Taking the cross-section shape of Fig. 8 as the
reference section (corresponding to the rotation degree
of 0°), the p.u.l. RLCG parameter matrix is extracted
by AnsysQ3D simulation software. Due to the axial
symmetry of the three-core stranded wire, the RLCG
parameter matrix in different transpositions can be
transformed into each other through row-column
transformation. Therefore, it is only necessary to extract
the stranded RLCG parameter matrix within 1/3 of the
pitch shown in Fig. 1 to obtain the RLCG parameter
matrix of the entire pitch. Starting from 0° and ending at
117°, the R, L, C, G parameter matrix samples were
taken from the three-core multi-stranded wire in 1/3
pitch at equal intervals of 3°to get a total of forty samples.
The initial parameter matrix is as following (RLCG
parameter matrix at 0°):

0.365,0.016,0.037
R=|0.016,0.305,0.009 |Q, (16)
0.037,0.009,0.336

585.44,314.15,314.15
L=|314.15,529.95,287.82 |x10° H , W))
314.15,287.82,529.95

62.011,-27.019,-27.026
C=|-27.019,65.049,-25.750 |x10"*F, (18)
—-27.026,-25.750,65.068

0.875,-0.435,-0.435
G=|-0.435,0.893,-0.434 |x107S . (19)
—0.435,-0.434,0.893

In general, the effect of the R and G parameters is
ignored because the transmission line resistance is much
smaller than its termination resistance. Therefore, the
BAS-BP neural network only trains and tests the L and C
parameter matrices of the three-core stranded wire. This
experiment sets the training error accuracy of the neural
network to Emin = 10°. The BAS-BP neural network
algorithm flow of Fig. 5 was used in combination with
the MATLAB2018 software platform for training and
testing. The samples were randomly arranged using a
random function. The first 30 sets of data were used as
training data and the last ten sets of data were used as test
samples. The training errors of the first 30 groups are
shown in Fig. 9. The pre-set accuracy requirements are
achieved around 55 generations. Figure 10 is the optimal
fitness curve for the BAS-BP model, which tends to be
stable after 55 generations of iteration. The corresponding
ten groups of samples correspond to angles of 3°, 9°, 51°,
69°, 114°, 36°, 24°, 57°, 27°, and 33°, respectively.
Figure 11 is a test error distribution diagram. The
maximum error of the test does not exceed 0.008 and the
mean value of the test error is only 0.0013, which shows
good prediction accuracy. The formula for calculating



the test error using equation (6) is as following:
Y-y

test

(20)

Best Validation Performance is 3.1929e-07 at epoch 49

m— Train

= \/alidation

-
=
5]
=
@
a

Mean Squared Error (mse)
=
IS

!

0 10 20 30 40 50
55 Epochs

Fig. 9. The iteration number and mean square error of
BAS-BP neural network training.

-5
22 x10

211

0 20 40 60 80 100
Iteration

Fig. 10. The BAS-BP neural network algorithm fitness
curve.

In this paper, the relative error evaluation index is
selected to evaluate the performance of the model. The
calculation formula is as following:

(21)
Vi

Where E, is the relative error, y'(i=1,2,..,n) is the
predicted value of the i-th sample, y (i=1,2,...,n) isthe

true value of the i-th sample; #n is the number of samples.
The smaller the relative error is, the better the model
performance.
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In order to test whether the BAS-BP prediction
model is superior to other intelligent optimization
algorithm models in RLCG electromagnetic parameter
extraction, this paper chooses the GA-BP neural network
model and the BAS-BP model to compare prediction
accuracy from relative error mean and iterative process.
The performance of the model is described by the CPU
running time. The results are shown in Table 2.

%107

JOIT JATIR[OY
ll-) (=T S N AN

Fig. 11. Test sample error histogram.

Table 2: Comparison of different model effects

Relative Error Mean  CPU Time/s
Model Test L Test C Train
BPNN 0.0808 0.0026 0.7174
BAS-BPNN | 0.0016 0.0011 39.0157
GA-BPNN 0.0023 0.0011 208.3355

It can be seen from Table 2 that the BP, the BAS-BP
and the GA-BP algorithms can fit the capacitance matrix,
but the accuracy of the latter two is higher than that
of the BP algorithm. As to the fitting effect on the
inductance matrix can be seen, the BAS-BP algorithm is
optimal in extraction accuracy and the relative error mean
is only 0.0016. In general, the accuracy of the BAS-BP
algorithm and the GA-BP algorithm representing the
optimization algorithm are not much different, but from
the CPU running time, the BAS-BP is only about
one-fifth of the GA-BP. Therefore, from the perspective
of overall prediction accuracy and convergence speed,
the BAS-BP algorithm works best, reflecting that
the BAS-BP algorithm has good applicability and
effectiveness in RLCG parameter extraction.

B. Crosstalk analysis

The schematic diagram of the crosstalk test of the
triple-stranded wire is shown in Fig. 12. The termination
s 50Q load, ie Zi=50Q (where i =1, 2, 3, 4, 5, 6), the line
length is 1 meter, and the wire 1 is the power line.
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Fig. 12. Three-core stranded crosstalk experimental
schematic diagram.

The stranded line RLCG parameter matrix extraction
network based on the BAS-BP algorithm is combined
with FDTD algorithm to predict the strand crosstalk. The
crosstalk results solved by using the full wave simulation
method of the CST Cable Studio® commercial software
(the electromagnetic field numerical method based
on the Huygens wave propagation model) were used
as reference standards. The full wave algorithm is an
approximate exact solution [24]. According to the
parameters in Table 1, the crosstalk of the three-core
stranded wire is solved by two methods in the frequency
band 100KHz - 1GHz. This paper ignores the small
influence of different frequencies on the electromagnetic
parameters of the strand [23] and uses S00MHz as the
reference value.

Figure 13 and Fig. 14 are the NEXTs of lines 2 and 3,
respectively. Because of the structural characteristics of
the triple-core stranded wires, the 2nd and 3rd wires
have similar crosstalk characteristics. The NEXTs of
lines 2 and 3 solved by the new method are both -59.17
dB at 100KHz, which are 0.68dB different from the
crosstalk result of the full wave simulation, and then
grow steadily in the middle and low frequency bands. At
high frequencies, the NEXTs of lines 2 and 3 fluctuate
around -17 dB. However, line 2 is in good agreement
with the results of full wave simulation. Similarly, the
FEXT results for the three-stranded strands solved by the
two methods are shown in Fig. 15 and Fig. 16. The
FEXTs solved by the new method are -63.30 dB at
100kHZ, which are 1dB different from the result of the
full wave simulation solution, and then grow steadily in
the middle and low frequency bands. At high frequencies,
they fluctuate around -15 dB, and the crosstalk solved by
the new method shows slight differences with full wave
simulation.

By analyzing the results of the crosstalk solution,
the NEXT and FEXT solved by the new method show a
good agreement and consistency with the full wave
simulation results, especially in the middle and low
frequency bands. In the high frequency range, the new
method and the full-wave simulation result do not have a
slight displacement in the frequency band, but there are
some discrepancies in the value, which may be caused
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by the following problems. First, the space segmentation
of the FDTD algorithm in this paper is 150 segments,
which may not achieve the actual twisting effect. In
theory, as the number of segments increases, the
accuracy of the new method will also increase. Second,
the BAS-BP neural network constructing the stranded
wire RLCG parameter extraction model still has slight
deviations, and this effect will be multiplied at high
frequencies. Third, for the convenience of research, this
paper ignores the small influence of R, G parameters and
the influence of frequency on RLCG. Fourth, the full
wave simulation will affect the accuracy of the crosstalk
solution because of the setting of parameters, the
selection of the number of sample points, and the setting
of the simulation task. It cannot perfectly reproduce the
true crosstalk of the three-core stranded wire. So there
is a slight impact on the consistency of two curves.
However, in general, the crosstalk predicted by the
BAS-BP algorithm combined with the FDTD method
has extremely high precision (coincidence) at low
frequencies, and at high frequencies, it is consistent with
the simulation results in the trend of crosstalk.

wire2NEXT
-10

— TLM(CST)
20 | BAS-BP+FDTD (J

300 |

0’ 10 ° 10 10 10’

Fig. 13. Conductor No. 2 NEXT.
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Fig. 14. Conductor No. 3 NEXT.
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Fig. 15. Conductor No. 2 FEXT.
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V. CONCLUSION

This paper proposes a new method based on the
BAS-BP algorithm combined with the FDTD algorithm
to predict the strand crosstalk. Through studying a
specific three-core stranded wire and referring to the
full wave simulation results, the applicability and high
efficiency of the proposed method in the stranded wire
crosstalk prediction are verified. The verification results
show that, first, the RLCG parameter matrix extraction
network has higher precision. The test results show that
the relative error is less than 0.008 and the average
relative error is only 0.0013. Second, the optimization
effect of the BAS algorithm on the BP neural network is
significantly better than swarm optimization algorithm.
Third, in the 100KHz and 1GHz bands, the new method
calculates the NEXT and FEXT of the stranded wire
with high accuracy, especially in the middle and low
frequency bands. Finally, the method proposed in this
paper has strong vitality and creativity. There are
still many places worth studying in the combination

LIU, ZHAO, HUANG, YAN, ZHOU: STRANDED CABLE CROSSTALK ESTIMATION

of adaptive beetle swarm algorithm and windward
differential algorithm.
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Abstract — In this paper, a novel frequency splitter is
proposed based on the spoof surface plasmon polaritons
(SSPPs) coplanar waveguide (CPW). The proposed
frequency splitter uses the semi-circular holes etched on
the both sides of the middle line of the CPW to realize
mode conversion and frequency splitting. The operating
principles of the proposed frequency splitter have
been analyzed by the dispersion curves, electric field
distributions, and equivalent circuit. Moreover, the
splitting frequency of the splitter can be easily controlled
by changing the corresponding parameters. Furthermore,
full-wave simulation along with the measured results
are given to describe the performance of the proposed
frequency splitter. The highly consistent between
simulated and measured results validates the design
conception, which means that the proposed design is of
importance to develop surface-wave integrated circuits.

Index Terms — Coplanar waveguide, frequency splitter,
spoof surface plasmon polaritons.

I. INTRODUCTION
Spoof surface plasmon polaritons (SSPPs) have
been widely used to design various microwave SSPP-
based antennas [1-4], low-pass or band-pass filters [5-

Submitted On: November 2, 2019
Accepted On: December 28, 2019

11], and power dividers [12-22]. According to its
specific performance of confining fields, various SSPP
structures were proposed (such as flaring grounds,
gradient corrugation slits, lumped elements, and hole
array) to design miniaturized devices.

Power divider is a key component in microwave
communication systems, which can be used to separate
the power of the input signal into two output channels
with equal or unequal power levels. Conventional SSPP-
based power dividers were designed based on the
coplanar waveguide (CPW) etched with periodic
gradient grooves [12-14], SSPP metal grating splitters
with finite thickness [15-18], and some other structures
[19-22]. However, most of the power dividers based on
the periodic gradient grooves were anti-symmetrical
designs, which were adverse to transmission efficiency
improvement. Moreover, some SSPP metal grating
splitters with finite thickness have also been proposed in
[15-18]. The designs divide the signal into two or more
different directions. Nevertheless, the fabrication cost
was expensive. Additionally, a design based on the
lumped element was proposed in [20] and it was not a
planar design, which was not benefit for integration.
Hence, [21] proposed a high efficiency and planar
splitting structure, which was based on the CPW with

1054-4887 © ACES
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hole arrays etched on its stripline. Nevertheless, all of the
above proposed designs were wave splitter, which
separate the power of the input signal into two output
channels with equal levels and less of them can be used
to design a frequency splitter. In [23], a planar frequency
splitter experimentally based on SSPPs of planar
composite periodic gratings was proposed. However,
this design is not conduct to size miniaturization.
Therefore, designing a compact planar low cost SSPP-
based frequency splitter with high efficiency and good
isolation is technically very challenging. Recently, [24]
proposed a SSPP waveguide filter based on the CPW
etched with semi-hole arrays to achieve the SSPP
performance and maybe a good candidate for designing
the desired SSPP-based devices.
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Fig. 1. (a) Configuration of the semi-hole arrays SSPP
waveguide, and (b) simulated S-parameters of the semi-
hole arrays SSPP waveguide.

In this paper, a frequency splitter based on the
semi-hole arrays SSPP-based structure is proposed. The
frequency splitter is designed by using the semi-hole
arrays etched on the CPW stripline as input signal and
splitting the input wave into two output channels with the
different cut-off frequencies, which can be controlled by
changing the length of unit cell. The operating principle
of the proposed frequency splitter is analyzed using
dispersion relationships, electric field distributions, and
equivalent circuit. Meanwhile, fabricated prototypes
are measured and verified our simulated results. The
proposed frequency splitter has the following advantages:
1) the transmission efficiency is high; 2) the isolation of
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the two outputs is good; 3) the cut-off frequency can
be easily controlled by changing the corresponding
parameters; 4) the design is compact and the fabrication
cost is low.
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Fig. 2. (a) Dispersion curves with different unit cell
length when r = 1.1 mm, (b) dispersion curves with
different hole radii when d = 5 mm, (c) electric field
distribution on the x-y plane at 8 GHz when d = 5 mm,
and (d) magnitudes of energy flows on cross sections at
8 GHz when d =5 mm.



1. DESIGN CONSIDERATIONS

A. Semi-hole arrays SSPP waveguide

The configuration of the semi-hole arrays SSPP
waveguide is sketched in Fig. 1 (a), which is a 50-Q CPW
line etched with periodic semi-hole arrays on the both
sides of the middle line. The design is printed on the
F4B substrate with a thickness of 0.5 mm, a relative
permittivity of 2.65, and a loss tangent of 0.0015. The
width and gap of CPW are denoted as w and g,
respectively. The unit cell is shown in the dashed frame,
its length is marked as d. The detailed designed parameters
valuesarew =6 mm,g=0.1mm,d=5mm,and r =1.1
mm. The simulated |S11| and |Sz1| of the semi-hole arrays
SSPP waveguide are plotted in Fig. 1 (b), it is clear that
the design has a cut-off frequency at 16 GHz and the
transmission efficiency is very high, which means that the
design has transformed quasi-TEM wave to SSPPs (TM)
wave.
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Fig. 3. (a) Structure of the proposed frequency splitter,
(b) the simulated electric field distribution on the x-y
plane when d=d;=5 mm at 15 GHz, and (c) the simulated
electric field distribution on the x-y plane when d=5 mm,
di=7 mm at 15 GHz.
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In order to further illustrate the design can transform
the quasi-TEM wave to SSPPs (TM) wave efficiently,
Figs. 2 (a) and (b) present the simulated dispersion curves
of the semi-hole arrays SSPP waveguide with different
unit cell lengths and hole radii, respectively. It can be
clearly seen that the cut-off frequency decreases as the d
and r increase. Figures 2 (c) and (d) give the simulated
electric field distribution on the x-y plane and the
magnitudes of energy flows on cross-sections at 8 GHz
when d = 5 mm. From these two figures, we can observe
that the EM energy is highly localized within a small
region around the slot lines of CPW. Hence, the design can
support the SSPPs wave propagates on its surface and the
dispersion characteristics can be used to control its cut-off
frequency.
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Fig. 4. Simulated (@) |S11], S21], and (b) |Sa1/, and |Sz2| with
different d; values.

B. The proposed frequency splitter

From the above analysis, we know that the semi-hole
arrays SSPP waveguide can support the SSPP mode and
have a high transmission efficiency. In order to design a
frequency splitter, we split the structure as two branches,
as shown in Fig. 3 (a). The transmission part has the
same parameter values as the semi-hole arrays SSPP
waveguide. The opening angle of the two branches is 60°.
The performance of the proposed frequency splitter can be
controlled by changing the unit cell length of the branch |
(denoted as di). From the dispersion curves in Fig. 2 (a),
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we known that the cut-off frequency are decreases as
the unit cell length raises, which means that the cut-off
frequency of branch | can be controlled by changing d..
Figures 3 (b) and (c) give the simulated electric field
distributions on the x-y plane at 8 GHz and 15 GHz when
d=5 mm and d;=7 mm, respectively. It can be seen that
the branch | and Il have the same energy flow from
transmission part to port 2 and 3 at 8 GHz when d=5 mm
and d;=7 mm. However, when the frequency is increases
to 15 GHz, the energy cannot propagate from branch |
to port 3, because the cut-off frequency of the design
is below 15 GHz in this case (as shown in Fig. 2 (a)).
Nevertheless, the energy can propagate from branch Il to
port 2, which means that the proposed design can split the
signal as two channels with different cut-off frequency.
To obtain the performance of the proposed
frequency splitter, the parametric studies are analyzed
using commercial software CST. The S-parameters with
different d; values are presented in Fig. (4). The highest
[S21] and |Sz1] is up to -3.6 dB. From Fig. 4 (a), it is clear
that the |S»1| almost has no change with the di changes.
Moreover, it can be seen in Fig. 4 (b) that the cut-off
frequency of |Sa| is decrease with d; increase and the
transmission efficiency below the cut-off frequency is
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still high. Furthermore, the isolation between port 2 and 3
is all below -15 dB within the operating frequency band.
Based on the above analysis, we know that the proposed
frequency splitter can divide the input SSPP waves into
two branches with different cut-off frequency and can
achieve a good performance.

C. Equivalent circuit of the proposed frequency
splitter

To further physically explain the frequency splitter
behavior, a simplified LC equivalent circuit (neglecting R
as its value will be negligibly small in case of metals) of
the proposed frequency splitter is proposed in Fig. 5. In
the equivalent circuit, each conducting line in the design
can be modeled as an inductance while any pair of parallel
conducting edges is represented by some capacitance
values. The values of Ly and C; of CPW feeding part can
be derived from [25] and [26] and can be expressed as:

L, = Zo% ) 1)
L
¢, = zlz 1 2

where Zp is the characteristic impedance of the CPW
feeding part, &e is the effective dielectric constant, and
Cois the velocity of light in frees pace.
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Fig. 5. Simplified equivalent circuits of: (a) CPW feeding part, (b) unit cell, and (c) the whole structure.

In Figs. 5 (a) and (b), the detailed equivalent circuit
segmentations of the CPW feeding part and unit cell are
presented. The unit cell can be divided as slot hole part
and CPW part. If we regard the semi-hole as a uniform
rectangular slot, then the slot hole part still can be
equivalent as a CPW part. Therefore, based on the above
equivalent circuits, a simplified equivalent circuit model
for the whole system is synthesized, as shown in Fig. 5
(c), which utilizes the equivalent circuits of the CPW
feeding part and unit cell. Additionally, all the odd marks
of the LC represent the CPW part and the even marks of
the LC represent the slot hole part. When the unit cell

length (dy) of branch | increases or decreases, the
corresponding circuit values of slot hole part of unit cell
remains the same and the CPW part changes (as shown
in Fig. 5 (b)), which means that the corresponding
equivalent circuits of branch 1 just need to adjust the
parameters of Lig' and Cio' as the unit cell changes. This
schematic can be used to understand the performance
of the system in circuital terms, and as a useful tool
for future designs. According to formulas (1)-(2) and
using the advanced design system (ADS) software to
optimize the values, the values of the equivalent circuit
(when d=d;=5 mm, the corresponding equivalent circuit
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parameters Li7'= Lig' and Ci7'= Cig') are empirically
calculated as: L' =0.379 nH, L' =0.821 nH, Ls' =0.33 nH,
Ls' = 0.893 nH, Ls' = 0.314 nH, L¢' = 0.839 nH, L7' =

0.298 nH, Lg' = 0.89 nH, Lo’ = 0.282 nH, Lo’ = 0.806 nH,
Ly’ = 0.266 nH, L1o' = 0.558 nH, Lys' = 0.25 nH, L' =
0.408 nH, Lys' = 0.233 nH, Lyg' = 0.409 nH, L7’ = 0.225 nH,
Lis' = 0.204nH, L' = 0.225 nH, Cy' = 0.237 pF, C;' =
0.196 pF, C3' = 0.2 pF, C4' = 0.272 pF, Cs' = 0.196 pF,
Cs' = 0.286 pF, C;' = 0.186 pF, Cg' = 0.221 pF, Co' =
0.176 pF, Cyo' = 0.19 pF, Cy1' = 0.166 pF, Cy2' = 0.205 pF,
Cis' = 0.156 pF, Ci4' = 0.204 pF, Cys' = 0.146 pF, Cy6' =
0.343 pF, Cy7' = 0.141 pF, Cig' = 0.0147 pF, and Cio' =

0.141pF.
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Fig. 6. Simulated S-parameters of the proposed frequency
splitter and equivalent circuit model.

The full-wave simulation results are demonstrated
together with the scattering parameters of the
corresponding simplified equivalent circuit model, as
shown in Fig. 6 (a). The results of the full-wave
simulation and equivalent circuit (when d=d1=5 mm, the
corresponding equivalent circuit parameters Li7'= Lio'
and Cy7'= Cio') are given and we can see that the
simulation results of the equivalent circuit model present
the similar trend with the full-wave simulation results,
which validate the proposed design exhibits the expected
behavior. Moreover, Fig. 6 (b) shows the simulated
equivalent circuit results when we change the Lio' and
Cio' values, it is clear that the cut-off frequency of branch
I decreases as Lig' and Cag' increase, which has a good
agreement with the physic model (increasing the unit cell
length, the cut-off frequency will decrease).
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Fig. 7. Photograph of the fabricated frequency splitter
when: (a) di=5 mm, (b) d;=7 mm, measured S-parameters
of the proposed frequency splitter when (c) di=5 mm,
and (d) d1=7 mm.

I11. EXPERIMENTAL VERIFICATION

The actual prototypes of the proposed frequency
splitter are fabricated on the F4B substrate and measured
to characterize its simulated performance, as shown in
Fig. 7. The prototypes are fabricated using the standard
printed circuit board technologies. The thickness of the
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fabricated substrate is 0.5 mm, & = 2.65, loss tangent
tan o= 0.0015, and the thickness of metallic strips is
0.035 mm, which can be regarded as a perfect electrical
conductor. Figures 7 (¢) and (d) show the measured
results of the proposed frequency splitter when d;=5 mm
and di=7 mm, respectively. It is clear that the measured
results are highly consistent with the simulated ones. As
shown in Fig. 7 (c), the port 2 and 3 have the same cut-
off frequency when d=d;=5 mm. However, the cut-off
frequency of port 3 shift to lower frequency when d;
increases to 7 mm, shown in Fig. 7 (d). Moreover, the
differences between the measured and simulated results
at some frequencies and the frequencies have slight
difference with the simulated results, which are maybe
caused by the SMA soldering and measurement
tolerances. As expected, the fabricated prototype can
realize a good frequency splitting characteristic and can
find potential applications in surface-wave integrated
circuits at the microwave frequency band.

IV. CONCLUSION

A frequency splitting SSPP based on the CPW is
proposed at microwave frequencies. The frequency
splitter is first investigated based on the special semi-
hole arrays SSPP waveguide, which is designed by
separating the transmission part as two branches. The
proposed frequency splitter is investigated by using
the dispersion curves and electric field distributions.
Prototypes of the proposed frequency splitter with
different d; have been fabricated and measured to verify
the design conception, the measured results agree well
with the simulated ones, which show that the proposed
design can split the SSPPs with high transmission
efficiency, low loss, good isolation, and low cost. The
proposed frequency splitting SSPPs features some
advantages, which is helpful to design future SSPP
devices and find some other applications in microwave
frequency band.
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Abstract — In this paper, we propose a novel deep convo-
lutional neural network (CNN) based qualitative learning
method for solving the inverse scattering problem, which
is notoriously difficult due to its highly nonlinearity and
ill-posedness. The trained deep CNN accurately approxi-
mates the nonlinear mapping from the noisy far-field pat-
tern (from measurements) to a disk that fits the location
and size of the unknown scatterer. The used training data
is derived from the simulated noisy-free far-field patterns
of a large number of disks with different randomly gener-
ated centers and radii within the domain of interest. The
reconstructed fitting disk is also very useful as a good
initial guess for other established nonlinear optimization
algorithms. Numerical results are presented to illustrate
the promising reconstruction accuracy and efficiency of
our proposed qualitative deep learning method.

Index Terms —convolutional neural network, deep learn-
ing, inverse acoustic scattering, qualitative method.

L. INTRODUCTION

Inverse scattering problems [1] arise in many fields
of science and engineering, such as radar and sonar,
biomedical imaging, and non-destructive testing. In the
last few decades, many numerical algorithms have been
developed for solving such nonlinear and ill-posed in-
verse problems, see, e.g., [2,3]. In this paper, we propose
a new deep learning based qualitative method.

Existing algorithms can be roughly categorized into
two groups: (i) nonlinear optimization methods, and (ii)
qualitative methods. The nonlinear optimization meth-
ods [4, 5] often need to solve a direct (forward) scatter-
ing problem at each iteration. Although such methods re-
quire less amount of data, they indeed require a priori
knowledge of the boundary conditions of the unknown
scatterer (e.g, sound-soft or not), which may not be avail-
able. Furthermore, if the initial guess is far away from the
true solution, the optimization iterations may converge
to a local minimum, leading to an inaccurate reconstruc-
tion of the true scatterer. On the other hand, the qualita-
tive methods [6-9], including the linear sampling method
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(LSM) [6], the factorization method (FM) [10], and the
direct sampling method (DSM) [3], have the advantage
of not requiring much a priori information about the un-
known scatterer. In addition, such qualitative methods
were shown to be computationally faster than the nonlin-
ear optimization methods and are highly parallelizable.
However, it is well-known that both LSM and FM suf-
fer from the severely ill-conditioned discretized far-field
operator, which requires a costly Tikhonov regulariza-
tion in order to achieve a robust approximation accuracy
in the presence of noise in measured far-field data. To
reduce the computational cost, an adaptive quadrature-
based factorization method (AFM) was recently devel-
oped in [11, 12], which dramatically speeds up the stan-
dard FM while gives comparable reconstructions. Nev-
ertheless, an effective implementation of the Tikhonov
regularization relies on the knowledge of the unknown
noise level. The recently developed DSM [3] and direct
factorization method (DFM) [13] were shown to be capa-
ble of achieving similar reconstruction accuracy, without
resorting to any such Tikhonov regularization processes.
Therefore, such regularization-free DSM and DFM are
more suitable to the real world applications.

All the above-discussed qualitative methods strive
to reconstruct the accurate location and precise shape of
the unknown scatterer, which sometimes may be unnec-
essary for some practical applications. In such situations,
we merely need to find a rough estimation of the scat-
terer’s location and size (support), which hopefully can
be achieved with lower computational cost or even less
amount of data. For example, the approach in [14] only
approximately recovers a convex hull of obstacles by us-
ing limited aperture data. The range test method in [15]
obtains a convex support of the scatterer as the inter-
section of many convex test domains. More recently, an
interesting extended sampling method (ESM) was pro-
posed in [16] and further improved in [17], where a fitting
disk was identified to estimate the support (location and
size) of the scatterer. In other words, the precise shape of
unknown scatterer is not of primal interest anymore, but
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its size (or support) is the reconstruction target.

In this paper, we propose a deep learning based qual-
itative method for solving the inverse scattering prob-
lems. Nowadays, most deep learning methods are based
on the artificial neural networks, which are effective
models for approximating certain functions. There are
many types of neural networks (NNs), including the feed-
forward and recurrent NN. The feedforward NN is a net-
work from the input layer to the output layer without
any loops. Some widely used NN, including the mul-
tilayer perceptron [18], the autoencoder [19], the convo-
Iutional NN [20] and the U-Net [21], belong to the cat-
egory of feedforward NNs. The recurrent NNs, by con-
trast, can pass data forward and backward. For example,
long short-term memory (LSTM) [22] is a type of re-
current NN. Since the pioneering work by Krizhevsky,
Sutskever and Hinton [23], deep learning methods have
been applied in various fields, including image recog-
nition, medical imaging and language translation. Re-
cently, deep learning approaches [24] have also been
used to solve the inverse scattering problems. In particu-
lar, the authors in [25] proposed an U-net convolutional
neural network to reconstruct the permittivities of dielec-
tric scatters from the scattering data. In [26], the authors
developed a convolutional neural network for the far-
field subwavelength imaging. In [27], the authors pro-
posed the so-called SwitchNet to reconstruct the scatterer
field which is a mixture of Gaussians. Different from
the aforementioned work, our present paper focuses on
developing a qualitative method to approximate the lo-
cation and size of the scatterer as a fitting disk, rather
than its exact shape. Therefore, the training process of
our proposed CNN is more efficient and the prediction is
also robust with respect to noise. Moreover, our designed
CNN utilizes three dropout layers which effectively pre-
vent overfitting phenomena.

The remaining of the paper is organized as follows.
In section II, we briefly review the standard inverse ob-
stacle scattering problem. In section III, we describe our
proposed deep convolutional neural network (CNN) for
the inverse scattering problems. In section IV, we show
some numerical results to demonstrate the performance
of our proposed method. Finally, some concluding re-
marks are given in section V.

II. THE INVERSE OBSTACLE SCATTERING
PROBLEM

Following [1], we briefly describe the standard in-
verse obstacle scattering problem. Let D C R? be a
bounded impenetrable sound-soft obstacle with a C?
boundary 0D. Let 6 be an incident direction on the unit
circle S and x > 0 be the wave number (with wavelength
A = 27/ meters). Given a time-harmonic incident plane
wave field u’(z) = e****?, its propagation in the presence
of the obstacle D, which is situated in a homogeneous
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medium, will lead to a scattered wave field u®. Then the
obtained total field v = u* + u* is the solution to the
following scalar exterior Helmholtz equation:

Au(z) + k2u(r) =0, € R?>\D (1)
subject to the Dirichlet boundary condition (sound-soft)
on 0D 2)
and the Sommerfeld radiation condition (here |z| denotes
the distance between z and the origin):

lim o |2 (% _ mus) —0. 3)

The above direct scattering problem (1-3) admits a
unique solution u € CZ%(R?\D) [ C'(R?\D). More-
over, the scattered field u® has the asymptotic behavior:
k||
s € oo (4 —3/2
w(w) = e (E0) + Ol %)

_|l-

u=0,

(as |z| — o0) uniformly in all directions, where & =
x/|z| is the observation direction on the unit circle S and
u™ is called the far-field pattern. Obviously, the measur-
able far-field pattern ©* : S x S — C depends nonlin-
early on the obstacle’s shape 0D that is to be determined.

The standard inverse obstacle scattering problem is
to recover the obstacle’s shape 0D from the measured
noisy far-field pattern data > (Z, ) with a fixed x > 0
for all incident directions 6 € I'; and observation direc-
tions & € I',. In this paper, we assume full aperture data
ie.I'y =[0,2n] and T',,, = [0, 27].

More precisely, we essentially need to invert the fol-
lowing nonlinear abstract operator equation:

F(OD) = u>*(&,0), z,0€8,

where the forward operator F maps the boundary of the
obstacle D to the corresponding far-field pattern for all
pairs of directions (&,#). This abstract operator equa-
tion turns out to be highly nonlinear and severely ill-
posed, and it has been solved by Newton’s method [4,28],
with the Fréchet derivative of F being inverted using
Tikhonov regularization at each iteration. Such a locally
convergent nonlinear iterative method is costly in practi-
cal computations and its effectiveness highly depends on
the initial guess, i.e., the a priori information, which may
lead to incorrect approximations.

The main difficulty in the accurate reconstruction
of 9D lies in the nonlinearity and ill-posedness of F,
although 0D is indeed uniquely determined by u>° on
the unit disk. The inverse map F~! from u™ to 9D
is not easy to compute numerically, but it may be eas-
ier to approximate if we simply estimate 0D by a disk
B(z;r) with center z = (z,y) € [a,b] x [¢,d] and ra-
dius 7 € [Tmin, "max)- Inspired by several recent works
[25-27,29-33] in this direction, we propose to qualita-
tively approximate F ! by a convolutional neural net-
work (CNN), denoted by G, based on the simulated train-
ing data of randomly generated disks within a prescribed
domain containing D. The trained CNN G approximately
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maps the noisy far-field pattern data to a fitting disk (in-
cluding its center location (x,y) and radius r), which is
poised to estimate the support of the underlying unknown
scatterer. The availability of a large amount of simulated
training data is crucial to optimize such a robust qualita-
tive CNN, so that it achieves a satisfactory approxima-
tion accuracy. Theoretically, one can also use any other
shapes (e.g., ellipse) of interest to simulate the training
data, but it will become computationally more expensive
due to more degrees of freedom in parameterizing the tar-
geting irregular shapes. The disk shape is the simplest
since its far-field pattern is invariant with respect to rota-
tion, and only 3 parameters (z, y, ) are sufficient to iden-
tify a disk.

III. A DEEP CONVOLUTIONAL NEURAL
NETWORK

In this section, we introduce our deep convolutional
neural network (CNN) for qualitatively solving the above
inverse obstacle scattering problems. Generally speak-
ing, a CNN can be regarded as the composition of a se-
quence of functions, with each function representing a
layer that takes the output of the previous layer and com-
putes the input for the next layer. For the classification
tasks, for example in [34], the architecture of a CNN
generally consists of convolutional layers, pooling lay-
ers, activation layers, dropout layers and a loss layer. For
the tasks of regression, however, sometimes the pooling
layer is not necessary in the CNN architecture [35].

In this work, we construct and train a deep convolu-
tional neural network using the disk-shape scatterers and
the corresponding far-field data matrices. All lengths are
measured in meters (m). We first generate 5000 circles
with their x- and y-coordinates randomly distributed be-
tween a = ¢ = 0.5 and b = d = 10, and their radii are
randomly distributed in [ryi, = 0.5, rmax = 5]. For each
circular obstacle, we further simulate the corresponding
noisy far-field data matrix of size 32 x 32, representing
32 incident and observation directions. Since each far-
field data matrix is a 32-by-32 complex matrix, it can be
treated as a 32 x 32 x 2 tensor, which is then used as
the input of our CNN. The output of the CNN is a 3-by-
1 vector representing the x- and y-coordinates as well as
the radius of the corresponding circular obstacle. Next,
we use the dataset (far-field data matrices) for the input
of the deep CNN of size 32 x 32 x 2 x 5000, and their
corresponding labels (ground truth centers and radii) of
size 3 X 1 x 5000 to train and test our designed CNN.
It is worthwhile to emphasize that a much larger size of
dataset can be easily simulated if a higher accuracy is pur-
sued, which however takes longer training time. We re-
mark that the architecture of our proposed convolutional
neural network is quite different from those networks de-
veloped in [25-27,30-33]. One special feature of our de-
signed network architecture is that there are three dropout

layers. Numerical simulations show that the network with
these dropout layers leads to much better results than the
network without dropout layers. This can prevent overfit-
ting efficaciously so that the prediction are very accurate
for both the training and test dataset. Our proposed CNN
mainly serves as a proof of concept to demonstrate the
feasibility of such a qualitative deep learning approach,
which we believe has a lot more room for improvement
in terms of different network architecture and better re-
construction accuracy.

The architecture of our deep convolutional neural
network is depicted in Fig. 1, where the detailed configu-
ration of each layer is summarized in Table 1. The output
of the current layer is of the same size as the input of the
next layer. The first layer of the network is a convolu-
tional layer with 30 filters of size 5 x 5, stride size of
2 x 2, and the same size padding. The first layer is fol-
lowed by a rectified linear unit (ReLU) layer. The third
layer is a dropout layer which randomly selects the in-
put neurons to zero according to 10% probability. Such
a layer is used to prevent overfitting efficiently [23, 36].
The fourth to the sixth layers are the convolutional layer,
ReLU layer and the dropout layer, respectively. The sev-
enth to the ninth layers are arranged in the same pattern.
The fourth layer, i.e., the convolutional layer, has 60 fil-
ters of size 3 x 3, with stride size of 3 x 3 and the same
size padding. Another convolutional layer, i.e., the sev-
enth layer, has 180 filters of size 3 x 3 with stride size of
2 x 2 and the same size padding. The sixth and ninth lay-
ers are both dropout layers which set the input neurons
to zero according to 10% probability. The tenth layer is a
fully connected layer which combines all the information
from previous layers and predicts the radius and coordi-
nates of the fitting disk. The output of this layer will be
further used to compute the mean-square error between
the predicted and the ground truth labels (3 x 1 vectors).

Mathematically, if we reshape each layer of neurons
as a column vector, then our convolutional neural net-
work G can be represented by a nonlinear mapping:

Q(v) = A4 ReLU(A3 ReLU(Ag ReLU(Alv))) + g,
where v is a 2048-by-1 vector representing the input far-
field data, A1, A5 and Ag are the sparse Toeplitz matrices
due to the convolution operators, ReLU is the element-
wise Rectified Linear Unit function, A, is a dense weight
matrix and g is a bias vector. Both A4 and g are from
the last fully connected layer. The output G(v) isa 3 x 1
vector. Given m pairs of training data (v;, w;) for i =
1,2,...,m, where v; is the far-field data and w; is the
corresponding ground truth label, the training process is
to minimize the total mean-square error, i.c.,

I R 5
min — Vi) — w;||5. 4
pin o7 21900 — il @)

In our simulations, about half million parameters (includ-
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Fig. 1. Our proposed network architecture G. The input image is of size 32 x 32 x 2. There are three convolutional
layers, three activation layers, three dropout layers, and one fully connected layer.

Table 1: Detail layers of our proposed deep convolutional neural network architecture G

Layer Type Filter # Filter Size Stride Size Input Size Output Size

1 Conv 30 5x5 2x2 32 x 32 x 2 32 x 32 x 30
2 ReLU - - - 32 x32x30 [32x32x30
3 Dropout - - - 32 x32x30 [32x32x30
4 Conv 60 3x3 2x2 32x32x30 [32x32x60
5 ReLU - - - 32 x 32 x 60 [32x 32 x 60
6 Dropout - - - 32 x 32 x60 [32x32x60
7 Conv 180 3x3 2x2 32 x32x60 [32x32x 180
8 ReLU - - - 32 x 32 x 180 |32 x 32 x 180
9 Dropout - - - 32 x 32 x 180 |32 x 32 x 180
10 Fully Connected- - - 32 x32x180 |3 x1

ing Ax(k = 1,2,3,4) and g) of the CNN can be up-
dated iteratively by the stochastic gradient descent (SGD)
method (implemented in MATLAB Deep Learning Tool-
box). Figure 2 shows the typical convergence history.

IV. NUMERICAL RESULTS

In this section, we provide several 2D inverse acous-
tic scattering examples from impenetrable and sound-soft
obstacles to demonstrate the effectiveness of our pro-
posed deep learning method. All simulations are imple-
mented in MATLAB 2019a on a Dell Laptop with In-
tel(R) Core(TM) i7-7700HQ CPU@?2.80GHz and 32GB
RAM. The CPU time (in seconds) is estimated using
timing functions tic/toc. To simulate the measurement
noise, we added random noise to the simulated far-field
data FF € CV*¥ according to:

s S1 + Soi
R S
where S and S5 are two IV X N random matrices (with a
standard normal distribution) generated by the MATLAB
function randn (N,N). Here the value of § represents the
level of noise based on relative error and the noise-free
situation corresponds to the case with § = 0%.

In our simulated training data, we choose the wave
number k = 5, the total number of incident and observa-
tion directions N = 32, and the noise level § = 0%. As
we have mentioned in the previous section, we first gen-
erate 5000 random circles of random radius between 0.5
and 5, and random x- and y-coordinates between 0.5 and
10. We then use these circles as the training scatterers,
and generate the far-field data for each circle via the Nys-
trom method [1]. We mention that numerical discretiza-

tion errors are much smaller than the added noise. Our
training dataset consists of m = 4000 far-field data ma-
trices of size 32 x 32 x 2, and 4000 corresponding labels
of size 3 x 1. The remaining 1000 pairs are used as test
dataset. We train our convolutional neural network using
the training dataset and the SGD method with learning
rate 0.01 and 1000 epochs. We use mini-batches of size
128 to speed up the computation time in each iteration.
The training history of our convolutional neural network
can be seen in Fig. 2. The blue curve is the base 10 loga-
rithm of the mini-batch training loss, and the red curve the
logarithm of the testing loss. Figure 2 indicates the con-
vergence of the stochastic gradient descent method in the
training procedure. We remark that different networks or
learning rates may lead to different convergence rate.

----- Training
1 —Test

0 200 400 600 800
Epoch

1000

Fig. 2. Training history of our convolutional neural net-
work. Horizontal axis: epoch number; vertical axis: log-
arithm (base 10) of the mini-batch loss.
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Table 2: Mean square errors for the inverse scattering
problem of circular scatterers with various random noise
levels § in the far-field data

Noise Level § Mean Square Error
0% 0.17249
10% 0.20229
20% 0.41218
30% 0.66666
40% 1.02110
50% 1.33220

Our results also show that the mean square errors of
the training dataset and the test dataset are 0.13648 and
0.17249, respectively. Such convergence results indicate
that our deep convolutional neural network model can
generalize well from our training dataset to the unseen
test dataset. A larger dataset would lead to better accu-
racy and it is also possible to use noisy far-field data as
training dataset for better robustness.

We then investigate the performance of our deep
neural network in reconstruction given far-field data with
various noise levels. In Table 2, we present the mean
square errors for the inverse scattering problem of 6000
circular scatterers (1000 scatterers for each test), with
random noise levels 6 = 0%, 10%, 20%, 30%, 40% and
50% in the far-field data. The mean square errors are
computed based on the prediction of our trained net-
work, including the predicted radii, x- and y-coordinates
of the centers. We observe that the mean square errors
for & = 0% and 10% are quite similar. As the noise level
goes up to 20%, the mean square error becomes twice as
much as the error when § = 10% is used, but the roughly
linear growth of error is still acceptable. When § = 50%,
the mean square error increases more dramatically due to
the large amount of noise. Since we use circular objects
with random locations and sizes, it is meaningful to check
the relative errors of the predicted results. More specifi-
cally, (1) for § = 0%, we find that 938 out of 1000 testing
scatterers have the relative error of radius less than 0.1;
911 out of 1000 testing scatters have the relative error of
the x-coordinate of the center less than 0.1; 937 out of
1000 testing scatterers have the relative error of the y-
coordinate of the center less than 0.1. (2) For the dataset
with 10% relative noise, 931 out of 1000 testing scatter-
ers have the relative error of radius less than 0.1; 885 out
of 1000 testing scatters have the relative error of the x-
coordinate of the center less than 0.1; 890 out of 1000
testing scatterers have the relative error of y-coordinate
of the center less than 0.1. (3) For 6 = 20%, the numbers
of testing scatterers that have relative error of radius, x-
and y-coordinates to be less than 0.1 are 915, 718 and 745
out of 1000, respectively. These statistics indicate that
our trained CNN can solve the inverse scattering prob-
lems of a circular object accurately in a high probability.

[n——

05
"o 500 1000 02 01 0 01 02
(@ (b)
0.25
05
\ 0.2
off M y\' 0.15
0.1
05
0.05
,1 O - T
0 500 1000 0.2 0 0.2
© ()
05 0.2
0 0.15
05 0.1
4 0.05
-1.5 0 L -
500 1000 04 02 0
(e (®

Fig. 3. The distribution of the prediction errors of the
radii (left column) and the histogram of the relative er-
rors (right column) with 3000 random far-field data un-
der various noise levels: § = 0% (top row), 10% (middle
row) and 20% (bottom row).

Moreover, among all three predicted parameters, the
predicted radius is usually more accurate than the other
parameters. This is due to the fact that the maximum of
radii is smaller than that of x- and y-coordinates of the
centers. In Fig. 3, we present the distribution of the pre-
diction errors of the radii (in the left column) and the his-
togram of the relative errors (in the right column), where
randomly perturbed far-field data with various noise lev-
els are used. The prediction errors are roughly propor-
tional to the added noise magnitude. We observe that the
distributions of the relative errors in radius for 6 = 0%
and 10% are quite similar, which means that our trained
network is not sensitive to a small noise level.

Next, we investigate the performance of the pro-
posed deep learning method for reconstructing randomly
located scatterers with various shapes. In Figs. 4-6, we
show the reconstructed fitting disks for obstacles in the
shape of a circle, ellipse, rectangle, kite, peanut and trian-
gle with § = 0%, 20% and 40%, respectively. The center
of mass for each object mostly lies in the reconstructed
disk, although we do observe slightly increasing discrep-
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ancy as the noise level becomes larger. For § = 0% and
20%, it is easy to see that the circular and triangular ob-
jects lead to the most accurate results. The reconstructed
results for the obstacles in the shape of ellipse, kite and
peanut for 6 = 0 and 20% are comparable. However, the
reconstructed result for an object in the shape of a rect-
angle is worse when 6 = 20%. For far-field data with
0 = 40%, our trained network can still capture the un-

known objects well except for the rectangular one.
10

Fig. 4. The reconstructed fitting disks for randomly lo-
cated different testing scatterers (noise level § = 0%).

10 10
—Disk

Rectangle

Fig. 5. The reconstructed fitting disks for randomly lo-
cated different testing scatterers (noise level § = 20%).
10

—Disk

Rectangle

10 0 5 10

—Disk
Triangle

Fig. 6. The reconstructed fitting disks for randomly lo-
cated different testing scatterers (noise level § = 40%).

Figure 7 shows the reconstruction results for scatter-
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ers of various sizes. While most of the predicted disks are
accurate, the rectangular-shape object was overestimated
again. In particular, the radius of small scatterers (ellipse
and peanut) is about 0.1, which is smaller than the mini-

mal radius 0.5 used in the training dataset.

15
—Disk

Rectangle

—Disk

Triangle

Fig. 7. The reconstructed fitting disks for randomly lo-
cated scatterers of various sizes (noise level § = 0%)).
o EDFM (1.61 sec.) 10 EDFM (1.61 sec.) EDFM (2.14 sec.)

. s Peanut| o
6 6 6
4 4 o 4
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Fig. 8. The reconstructed fitting disks by EDFM [17] for
randomly located scatterers (noise level 6 = 40%). The
EDFM is based on one incident direction at 7/2 and 32
observation directions with a 500 x 500 sampling mesh.

0 DFM (0.60 sec.) 0 DFM (0.52 sec.) 0 DFM (0.54 sec.)

©

0 5 10 0 5 10

Fig. 9. The reconstructed profiles by DFM [13] for the
same scatterers as in Fig. 7 (noise level 6 = 40%). The
DFM is based on 32 incident and observation directions
with a 500 x 500 sampling mesh.

High computational efficiency is another remarkable
advantage of our deep learning method, which of course
relies on the expensive offline training that can be speed
up by CPU/GPU parallel computing. Different from the
extended sampling method [16] and the extended direct
factorization method (EDFM) [17], where the radius is
obtained with much more extra efforts after the center is
chosen from a sampling process over the search domain,
our deep learning method computes the radius and center
simultaneously without any sampling procedure. With a
pre-trained network, our deep learning method takes only
about 2 milliseconds to estimate a fitting disk (using the
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predict function provided by MATLAB).

As a comparison, Fig. 8 shows the corresponding
results computed by the EDFM [17], where a similar
fitting disk was estimated but with significantly higher
CPU time. However, the EDFM can handle limited aper-
ture data, which was not addressed in our deep learning
model. In addition, Fig. 9 plots the constructed profiles by
the highly efficient and vectorized DFM [13], where the
same scatterers’ shapes are qualitatively identified with
more CPU time as well. Note the DFM gives much more
detailed shape information that may not be necessary. In
both EDFM and DFM, it would take much longer CPU
time if using a finer sampling mesh in a larger domain.

Overall speaking, the trained CNN based solely on
the circular-shape scatterers can handle the far-field data
of the general shaped objects with various noise levels
very well, where the non-circular shaped scatterers were
never seen by the trained CNN. A possible explanation of
the less satisfactory accuracy in reconstructing the rect-
angle scatterer is that its far-field pattern is vastly dif-
ferent from that of any nearby circular-shape scatterer,
as illustrated in Fig. 10. Note that the far-field pattern of
the kite is more similar to that of the circle, thus it leads
to better reconstruction results. We would expect much
improved reconstruction accuracy if the anticipated non-
circular shapes were used in generating the training data-
set. This is usually the case when tailored to a specific

application where only certain shapes are of interest.
Re(F) of Circle Re(F) of Rectangle Re(F) of Kite

N o
\\

Im(F) of Circle Im(F) of Rectangle Im(F) of Kite
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Fig. 10. The jet colormap of noise-free far-field data F
of three different scatterers: Circle , Rectangle, and Kite.

V. CONCLUSION

In this paper, we propose a qualitative deep learn-
ing method for solving the inverse obstacle scattering
problem. After constructing and training the deep con-
volutional neural network using the randomly generated
disk-shape scatterers and the corresponding far-field data
matrices, we can obtain a convolutional neural network
which reliably maps the noisy far-field data to the center
location and radius of the fitting disk that approximates
the support of the unknown scatterer. The trained CNN

has the advantage of solving the inverse scattering prob-
lem in much faster CPU time than other qualitative meth-
ods in literature. It takes only a few milliseconds (rather
than a few seconds by EDFM and DFM) to estimate an
accurate fitting disk with a PC laptop. Our numerical re-
sults show that our proposed deep CNN requires a small
amount of training data to get very accurate predictions,
and it performs very robust with noisy far-field data. The
generalization of our proposed method on 2D problems
(of finding a disk) to 3D problems (of finding a ball)
is straightforward. It is possible to further improve the
reconstruction accuracy by training the CNN with the
dataset generated from other desired shapes (e.g., ellipse
or airplanes). The application of our developed method to
the inverse scattering problems with multiple obstacles or
limited aperture data is currently undertaken.
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Abstract — The helmet antenna is required to achieve
hands-free operation for disaster prevention. The helmet
antenna is not only low profile with a small configuration,
but it also suppresses radiation toward the human head.
This paper presents the characteristic mode analysis of
the helmet, which is a hemispherical conductor shell to
achieve the omnidirectional pattern in the horizontal
plane. By deleting the weak part of the electric current
on the hemispherical conductor shell, the shape of
the folded dipole was obtained with a low resonant
frequency. The folded dipole antenna with a slit-loaded
copper ring structure with high radiation efficiency and
a low SAR value was designed.

Index Terms — Characteristic mode analysis, folded
dipole antenna, hemispherical shell, helmet antennas,
omnidirectional pattern.

I. INTRODUCTION

For safety, a person must wear a helmet and use a
transceiver in a one-hand operation. The helmet antenna
is required to achieve hands-free operation. In the
disaster radio systems operating at 150 MHz in Japan,
the transceiver needs to be combined with the helmet for
rescue operations. Helmet antennas are suitable for this
purpose. In this case, the interaction between the antenna
and the human body is essential [1], [2].

Helmet antennas have been investigated for various
applications such as military, construction, and disaster
prevention. The broadband [3] and omnidirectional
radiation [4] are required for helmet antennas. In previous
studies, the implementation of the antenna inside a
helmet is also investigated. In various applications, the
high-frequency antennas can be implemented efficiently
in a helmet. However, it is challenging to implement
low-frequency helmet antennas at 150 MHz in proximity
to the human head.

For a radio system operated at a low frequency, the
half-wavelength circular loop antenna [5] and the folded
dipole antenna [6] have been proposed. The inverted-F
antenna on a hemispherical ground plane has been
proposed to enhance the antenna gain [7]. However, the

Submitted On: August 20, 2019
Accepted On: February 23, 2020

inverted-F antenna has a narrow bandwidth. Since these
antennas are arranged in proximity to the human head,
the radiation efficiency is reduced, and the value of the
specific absorption rate (SAR) increases. The installation
of a conductor ring with the slit is effective [8] in
reducing the unwanted radiation toward the human head.

The characteristics mode analysis (CMA) has been
considered as the systematic design of the antenna
shape [9], [10]. The design procedure using CMA has
been adapted to the dual-mode antenna with orthogonal
radiation patterns [11] and the ultra-wideband patch
antenna [12]. However, to achieve the helmet antenna for
low-frequency operation, low-profile and small antennas
are required to be installed on a small platform. This
paper presents the characteristic mode analysis of the
helmet, which is a hemispherical conductor shell to
achieve an omni-directional pattern in the horizontal
plane.

Hemispherical shell Unit: mm

- R

Fig. 1. Configuration of hemispherical conductor shell.

I1. CHARACTERISTIC MODES ANALYSIS
OF THE HEMISPHERICAL CONDUCTOR
SHELL3

Figure 1 shows the simulation models of the
hemispherical conductor shell with a radius of 125 mm.
The antenna is assumed to be installed on the helmet
formed from a dielectric material with & = 3.0 and tano
=0.005. However, the characteristic modes are analyzed
without the dielectric material, and by using Altair
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The modal significance [10] is defined as: i /I\
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Harrington and Mautz [9] obtained the eigenvalue
equation as follows:

XUn) = 4Ry, 3
where A, are the eigenvalues, and J,, are eigenfunctions.
R and X are the real and imaginary parts of the
impedance matrix obtained from the moment method.
Modes with a high modal significance are the current
resonances of the structure. When the value of s,, is close
to 1, the mode significantly contributes to radiation.

Figure 2 shows the modal significance characteristics
of the hemispherical conductor shell. The resonant
frequencies of J; and J, are over 600 MHz. The eigenvalue
of J; becomes 0.02. Figure 3 shows the modal current
distributions of Ji, J2, J3, and Ja. As shown in Figs. 3 (a)
and (b), the current intensities become strong at the edge
of the hemispherical shell. The resonant mode corresponds
to a one-wavelength loop current. Furthermore, J1 and J,
are orthogonal to each other. Similarly, J; and J4 are
orthogonal to each other, as shown in Figs. 3 (c) and (d).
In mode Js, the edge current becomes strong. The current (o)
in the middle part of the shell becomes strong in the
mode Ja.

Figure 4 shows the radiation patterns of each mode
at 150 MHz. As shown in Figs. 4 (a) and (b), the radiation
patterns of each polarization on the xy plane are shaped
like the figure eight. The omnidirectional patterns of the
horizontal and vertical polarization are obtained in mode
J3 and Ja, respectively. However, the resonance cannot
be achieved easily because these modal significances are
extremely low.

1.0
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Fig. 3. Modal current distributions of: (a) Ji, (b) Jz, (c)
Fig. 2. Modal significance. Js, and (d) Js on hemispherical shell.
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Unit: dBV/m

E,

Fig. 4. Radiation patterns of: (a) J1, (b) Jz, (¢) J3, and (d)
Ja.

I1l. ANTENNA DESIGN BASED ON MODAL
CURRENT DISTRIBUTIONS
Figure 5 shows the normalized modal current
distribution of Ji. As shown in Fig. 5 (a), the strong
electric current is distributed at the edge of the shell. The
contour length of the edge of the shell corresponds to one
wavelength loop.

[dBAM] z
00

-2.0

-4.0

[dBA/m] 7

0.0 Unit: mm
" /L
2.0 y

-4.0

[dBAM] z
00

Unit: mm
" /I\
2.0 y

X

Fig. 5. Normalized modal current distributions of J; of:
(a) model1, (b) model2, upper part of hemispherical shell
is deleted, (c) model 3, slit is arranged, (d) model 4,
middle part of conductor is deleted, and (e) model 5,
crank structure is added.

Therefore, the upper part of the hemispherical shell
is deleted as shown in Fig. 5 (b). The width of the
conductor becomes 9 mm. The current flows widely on
the conductor because of the narrow conductor.

To change the characteristic modes from the
one-wavelength loop to the half-wavelength loop, the
conductor is split, as shown in Fig. 5 (c). The slit with
2.18 mmwidth is arranged in the weak part of the electric
current in the conductor in Fig. 5 (b). As a result, the
electric current flows in one direction.
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The current in the middle part of the conductor in
Fig. 5 (c) becomes weak in comparison with that at the
edge of the conductor. Therefore, the middle part of the
conductor is deleted, as shown in Fig. 5 (d). The space
between the two conductors is 3 mm. The current
intensity of the two strips on the conductor increases. As
a result, the configuration of the conductor takes the
shape of a folded dipole.

Finally, two crank structures are added at the
positions of the strong currents on the conductor in Fig. 5
(a) to adjust the resonant frequency, as shown in Fig. 5 ().

IV. DESIGN RESULTS

Figure 6 shows the modal significance characteristics
of each model, as shown in Fig. 5. The resonant frequency
in model 2 becomes 408 MHz, and the resonant frequency
of 173 MHz is confirmed by arranging the slit on the
conductor in models 3 and 4. For the final design, the
resonant frequency of 150 MHz can be achieved by
installing the crank structures in model 5.

Figure 7 shows the radiation patterns on the xy
plane of each model. In comparison with Fig. 4 (a), the
radiation patterns of models 1 and 2 are almost the same,
as shown in Fig. 7 (a). The radiation patterns with the slit
on the conductor become omni-directional on xy plane
as shown in Figs. 7 (b) and (c). The deviation in the xy
plane is 4.5 dB in model 5 because of loading the crank
structures.

The feed port is arranged at the center of the bottom
conductor on the final configuration in Fig. 5 () to verify
the validity of the characteristic mode analysis. Figure
8 shows the VSWR characteristics of the simulation
and measurement. The measured result agrees with the
simulated result. Therefore, the validity of the
characteristic mode analysis is verified. Moreover, the
antenna is attached to the dielectric material with & =
3.0, tans = 0.005, and a thickness of 2 mm. The resonant
frequency shifts from 150 MHz to 136 MHz. Therefore,
the dimension of the antenna should be adjusted during
installation on the helmet.

1.0
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© | —— Model 3
% 0.8r 11 ... Model 4
3"(2) 06l —— Model 5
c
2
P04t
<
b=
o
= 0.2r

0.0 ‘ ‘ ‘ ‘

100 200 300 400 500 600

Frequency [MHZz]

Fig. 6. Modal significance of J.
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Fig. 7. Radiation patterns on xy plane of: (a) model 2, (b)
model 3, (c) model 4, and (d) model 5.
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Fig. 8. VSWR characteristics.

V. FOLDED DIPOLE ANTENNA WITH
SLIT-LOADED COPPER RING
STRUCTURE

Figure 9 shows the simulation models of the folded
dipole antenna with a human head with & = 52.3 and
a conductivity of 0.76 S/m. The antenna element is
arranged on the hemispherical dielectric shell with & =
3.0, tans=0.005, a radius of 125 mm, and a thickness of
2 mm. To achieve the impedance matching, the widths
of the feed and non-fed arms of the dipole are 3 mm and
12 mm, respectively. Based on the previous results in [6],
the additional conductor ring inside the helmet is
effective for reducing the unwanted radiation towards
the human head. Figure 9 (b) shows the slit-loaded
copper ring structure to reduce the unwanted radiation
toward the human head. The finite element method is
employed for electromagnetic simulation.
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Dielectric shell

Folded dipole antenna = %

150°/

Human head lit 180°
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Fig. 9. (2) Configuration of folded dipole antenna with 210° .
slit-loaded copper ring structure. (b) Detailed view.
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Fig. 10. VSWR characteristics.
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Fig. 12. 10 g average local SAR distributions: (a) without

Figure 10 shows the simulated VSWR characteristics.
The relative bandwidth at VSWR = 3 becomes 2.1 % and
0.9 % with and without the slit, respectively. Figure 11
shows the radiation patterns. The radiation efficiency
of 55 % can be achieved by loading the slit. As a result,
the realized gain becomes —2.7 dBi. Figure 12 shows the
simulated 10 g average local SAR distributions. The
unwanted radiation toward the human head can be
suppressed, and the maximum SAR value becomes 0.67
W/kg, which is lower than the specified value of 2 W/kg
in the IEC 62209-1 standard.

VII. CONCLUSION and (b) with slit.
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Abstract — A dual band slot dipole antenna made from
textile is proposed for Wireless Body Area Network and
Wireless Local Area Network applications. The proposed
antenna is integrated with an artificial magnetic
conductor plane to mitigate backward radiation and
reduce Specific Absorption Rate when operated on body.
The artificial magnetic conductor plane is formed using
a 3 x 3 array of unit cells, each consisting of a square
patch integrated with diamond-shaped slot. The proposed
antenna (denoted as Antenna B) is compared against
another similar antenna (Antenna A) in free space and
on-body, in flat condition (on chest) and under two
bending axes (x- and y-axes) on the upper arm. Results
indicate that Antenna B provided wider upper bandwidth
to 766 MHz (in flat condition) and up to 875 MHz when
bent. Besides that, higher gain of up to 5 dB with improved
front-to-back ratio are also observed.

Index Terms — Antennas, artificial magnetic conductor,
metamaterial, multiband antennas, wearable antennas.

I. INTRODUCTION
Wireless body area network (WBAN) and Wireless
Local Area Network are two of the most widely
researched applications globally. Their frequencies
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include the Industrial Scientific Medical (ISM) band
(from 2.4 to 2.48 GHz), Ultra-Wide band (UWB) (from
3.1t010.76 GHz), Wireless Local Area Network (WLAN)
(in the 2.4 and 5 GHz bands) [1]-[14]. In line with this
development, wearable antenna made from flexible
materials are also widely investigated due to its attractive
features: low profile, flexible, inexpensive, lightweight,
and most importantly, safe to be worn. However, when
placed on body, an antenna with high back radiation or
omnidirectional pattern such as dipole antenna [2] tends
to increase the electromagnetic absorption in the human
body due to its proximity during operation. This almost
certainly results in high SAR value which potentially
affect human body tissues. The American National
Standards Institute (ANSI) and International Commission
on Non-lonizing radiation Protection (ICNIRP) regulated
that the exposure for human tissues is limited to 1.6 W/kg
averaged per 1g of tissue and 2 W/kg per 10 g of tissue,
respectively.

One of the solutions to control the level of the back-
radiation is either by selecting an antenna topology with
a rear ground plane or to introduce a metallic plane to
function as a reflector. However, conventional reflecting
structure interferes antenna operation, and they are
typically placed at an extended distance from the
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radiator. Such setup, in turn, increases the height of the
antenna structure and reduces its suitability to be worn
on body due to increased thickness. Moreover, the gap
of such structure is frequency-dependent, which requires
the gap to be determined based on the lower frequency
in the case of a multi-resonance antenna, which again
increases the thickness. To overcome this, metasurfaces
with dual-band behavior such as Electromagnetic Bandgap
(EBG) or Artificial Magnetic Conductor (AMC) can be
an ideal solution to balance between thickness and
modifying radiation characteristics [3]-[10].

In this paper, a dual-band antenna and a dual-band
AMC plane is proposed. The AMC plane is formed using
an array of unit cell elements based on a square patch
integrated with diamond-shaped slot to enable dual
band operation. The optimized antenna (Antenna B) is
compared with a previous work [1] (denoted as Antenna
A) to assess its improvements in terms of bandwidth,
gain and front-to-back ratio. The next section describes
the antenna design and materials used, followed by the
assessment of their performance in free space and on
body. A comprehensive SAR investigation to validate
the contribution of the AMC plane is presented prior to
the concluding remarks.

Il. TEXTILE MATERIALS AND ANTENNA
SPECIFICATION

A. Antenna design

Two topologies of the proposed C-slotted dual band
textile antenna are shown in Figs. 1 (a) and 1 (b). They
operate in the 2.45 GHz (lower) and 5.8 GHz (upper)
bands. The proposed antenna is integrated with an AMC
layer between its substrate and ground. The previous
antenna from [1] (denoted as Antenna A) shown in Fig.
1 (a) is compared with the proposed C-slotted dipole
antenna with optimized AMC (denoted as Antenna B)
and shown in Fig. 1 (b).

All antennas are designed using the same textile
materials. Felt with a thickness of 3 mm is used as its
substrate, while Shieldlt Super conductive textile with a
thickness of 0.17 mm is used to form the patch, ground
and AMC of the proposed antenna. The relative
permittivity and loss tangent of the felt substrate is 1.44
and 0.044, respectively, whereas the conductivity of
the ShieldIt Super is 1.18 x 10° S/m. To provide a fair
comparison, the overall area of both antennas are limited
to 90 x 90 mm? with the same thickness of 6.51 mm.
Both antennas are built using five layers of textiles (see
Fig. 1 (e)), as follows: a ground layer on the bottom-most
layer, followed by two layers of substrate and a layer
consisting of the AMC plane in between them. Finally,
a patch layer is placed on the top. Their optimized

ACES JOURNAL, Vol. 35, No. 2, February 2020

dimensions are summarized in Table 1.

Table 1; Optimized parameters of the proposed antenna

Antenna/ | Antenna A | Antenna/ | Antenna B
Parameter |(with AMC)| Parameter | (Optimized
Values (mm) [1] Values (mm)| AMC)

L/W 90 La/Wa 90

L1 45 Lb 47

w1 55 Wh 62

A 10 a 9

B 30 b 34

C 22 c 26

D 4 d 4

E 16 e 21

F 2 f 2

- - g 12

- - h 2

In this work, the Finite Integration Technique
(FIT) was used, which is a way of generalizing the
FDTD method with weak link to the FEM method. The
discretization of Maxwell's equations is done on a pair of
dual discretization meshes. The degrees of freedom are
corresponding to integral types: electrical voltages and
magnetic fluxes on the first type of meshes, and magnetic
voltages and electrical fluxes on the second type of
meshes. The FIT technique can be used in a very wide
frequency range from DC to THz, and for many types of
meshes, and curved contours. This technique can be used
advantageously and very efficiently for the calculation
of multilayered structures, as the results of this work
show. The numerical work was performed using CST
Microwave Studio Suite, which incorporates this method.

B. AMC plane design

The 3 x 3 array of square patch unit cells integrated
with diamond-shaped slots forms the AMC plane. This
plane is implemented to reduce back radiation as shown
in Figs. 1 (f) and 1 (g). The AMC is designed similar to
[1] for a fair comparison and is further optimized to
enable zero reflection phase at 2.45 and 5.8 GHz for
Antenna B, as shown in Fig. 2. For the optimized AMC,
a shorter current path is provided for the AMC to operate
in the upper band (5.8 GHz). This resulted in a wider
reflection phase bandwidth of 15.8% or 891 MHz (from
5.189 to 6.08 GHz), while the larger current path enables
operation at the lower 2.45 GHz frequency. The phase
reflection indicated operation with a bandwidth of 7.76%
or 187 MHz (from 2.32 to 2.5 GHz). This indicated that
the optimized AMC plane for Antenna B improved in
terms of wider reflection phase bandwidth in the upper
band.



(b)

«— Patch

0.17

Thickness Substrate (3 mm) { mm)
«— AMC

{6.51 mm) (0.17 mm)

<«— Ground
(0.17 mm)

(©)

GIMAN, SOH, JAMLOS, LAGO, AL-HADI, RAHIM, ET AL.: GAIN ENHANCEMENT OF A DUAL-BAND PLANAR SLOT DIPOLE

Felt substrate (white) l

(¢))

Fig. 1. Topology of the proposed antenna: (a) Antenna A (with AMC) [1], (b) Antenna B (with optimized AMC), (c)
fabricated Antenna A, (d) fabricated Antenna B, (e) layer structure of the antenna, (f) fabricated AMC plane from [1],

and (g) optimized AMC unit cell dimensions (in mm).

I11. RESULTS AND DISCUSSIONS

A. Planar antenna in free space

The performance of both antennas (A and B) in free
space are compared and summarized in Table 2. It shows
that the simulated reflection coefficient (Si1) in free
space planar condition for both antennas is below -15 dB
and — 21 dB in the lower (2.45 GHz) and upper (5.8 GHz)
band. The radiation pattern of both antennas in free
space and planar condition is directional in the azimuth
plane with a maximum directivity of 5.26 dBi (Antenna
A) and 7.31 dBi (Antenna B) in the lower band, see Fig.
3. On the other hand, a maximum directivity of 10.7 dBi
(for Antenna A) and 9.88 dBi (for Antenna B) is observed
in the upper band. Table 2 shows that the realized gain
in free space of flat for Antenna A produce a negative
realized gain while Antenna B produce a positive
realized gain. This indicates that the dissimilar slot length
in the radiator and the integration of the optimized AMC
plane contributed in improving the gain of Antenna B in
the lower band from -2.47 dB to 2.38 dB, a significant
increase of about 5 dB. Meanwhile, the realized gain in
the upper band for Antenna B is higher than 6 dB. This
is slightly lower than the realized gain for Antenna A in

this band (which is about 7 dB) due to the marginal Si;
at 5.8 GHz for Antenna B. Nonetheless, the simulated
front-to-back ratio (FBR) of Antenna B in the flat
condition is higher in both bands compared to Antenna A.

1001 _ N | .. | |
3 70.02
o === AMC Antenna A
8 @ AMC_antenna A 11.27°
£ 0 o
[ 1.24 = AMC Antenna B -1.59°
§ @ AMC Antenna B
o
1004 " WnHy B
1 2 3 4 5 6 7

Frequency, GHz

Fig. 2. Simulated reflection phase of the AMC plane for
Antenna A [1] and B (proposed). The dotted lines
represents the £90° operating range of the AMC plane.
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Fig. 3. Simulated and measured radiation pattern in planar free space condition at: (a) 2.45 GHz and (b) 5.8 GHz.
Simulated surface currents distribution of Antenna B at: (c) 2.45 GHz and (d) 5.8 GHz. Legend: Dash dot (blue) line:
simulated Antenna A, solid (red) line: simulated Antenna B, short dashed (cyan) line: measured Antenna A, dotted

(black): measured Antenna B.
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Fig. 4. Effects of the slot lengths on the antenna reflection coefficients: (a) g and (b) e.

The two arms of the slot dipoles are expected to
provide tuning for the resonant frequency and impedance
matching for the antenna structure, and are investigated.
The slot lengths of the two arms are denoted as g and
e, and their effects on the antenna performance are
investigated. It can be summarized that the length of
g highly determines the antenna’s resonant frequency,
whereas the length of e influences the impedance
matching. More specifically, the resonant frequency can
be shifted to the lower frequencies by increasing the
length of g, as shown in Fig. 4 (a). Meanwhile, an
improved impedance matching at the specific resonant
frequency can be exhibited by decreasing the length of
e, as shown in Fig. 4 (b). For that reason, the lengths of
g and e are crucial parameters and must be accurately
fabricated.

B. Assessment of antenna in free space under bending

As wearable antennas are designed to be worn on-
body, there is always risks of them being operated
when bent. To maintain operation in such situations, the

proposed antennas are investigated further when bent in
the x- and y-axes with a radius, r of 60 mm in free space,
denoted as X60 and Y60, respectively. Simulated and
measured Si1 of the antenna when bent at both axes
are shown in Fig. 5. The maximum realized gains of
Antenna B when bent at both axes are improved to
2.25 dB (X60) and 1.34 dB (Y60) in the lower band. In
the upper band, its gains of 5.93 dB is observed under
condition X60 and 4.48 dB under condition Y60. On the
contrary, Antenna A exhibited negative realized gains
for all bending configurations. Besides that, Antenna
B also improved in terms of FBR for both bending
configurations. Its FBR are at least 9 dB in the lower
band and 22 dB in the upper band. The measured
radiation patterns of both antennas when bent in
configurations X60 and Y60 are compared with planar
free space in Fig. 6. Both bent antennas at both axes
are directional in the azimuth plane with maximum
directivities of at least 7 dBi and 9 dBi in the lower and
upper bands, respectively.
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Table 2: Performance summary of Antennas A and B in the planar and bent configurations

Condition A (with AMC) B (with optimized AMC)
Antenna/Freq./Parameter Freq. (GH2) 55 58 545 58
Flat (sim) -23.91 -22.55 -15.69 -24.55
Flat (meas) -5.75 -13.63 -16.41 -8.24
Chest (meas) -8.24 -25.51 -13.51 -8.30
S11 (dB) X60 (sim) -25.18 -23.88 -10.69 -29.26
X60 (meas) -9.85 -21.68 -9.96 -7.12
Y60 (sim) -21.89 -27.22 -10.68 -34.68
Y60 (meas) -7.56 -21.68 -14.44 -8.09
Flat (sim) 123 714 109 766
Flat (meas) 80 600 50 600
Chest (meas) 100 870 105 475
Bandwidth (MHz) X60 (sim) 121 765 100 875
X60 (meas) 50 900 55 550
Y60 (sim) 124 800 104 850
Y60 (meas) 75 750 80 570
Flat (sim) -2.47 7.17 2.38 6.53
Flat (meas) -2.2 9.32 5.89 7.21
Chest (meas) -2.87 5.54 3.21 6.99
Real. Gain (dB) X60 (sim) -1.33 5.96 2.25 5.93
X60 (meas) -8.78 5.1 3.96 5.2
Y60 (sim) -1.04 5.12 1.34 4.48
Y60 (meas) -2.66 -0.29 2.42 -2.54
Flat (sim) 2.74 22.62 17.35 18.8
Flat (meas) 4.95 28.47 17.14 28.62
Chest (meas) 6.42 5.54 22.83 22.07
Front to Back Ratio, FBR (dB) X60 (sim) 3.59 20.58 8.914 22.87
X60 (meas) 16.0 16.46 20.89 21.33
Y60 (sim) 3.76 16.53 10.415 16.71
Y60 (meas) 7.19 14.50 23.76 4.69
Flat (sim) 5.26 10.7 7.31 0.88
Directivity, (dBi) X60 (sim) 5.7 8.41 7.81 8.98
Y60 (sim) 6.25 9.21 6.5 7.57
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Fig. 5. Measured reflection coefficients of Antenna A and B in free space in planar condition (flat) and (a) under
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o 1801{ 13
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Fig. 6. Normalized measured radiation patterns of Antennas A and B in planar (flat) and when bent with X60 and Y60
conditions in free space in the xz-plane at (a) 2.45 GHz (X60), (b) at 5.8 GHz (X60), (c) 2.45 GHz (Y60), and (d) 5.8
GHz (Y60). Legend: Crossed (blue) line: Antenna A flat, solid (red) line: Antenna B flat, short dash (cyan) line:
Antenna A with X60/Y60, and dotted (black) line: Antenna B with X60/Y60.

C. Assessment of antenna placed on body in flat and
under bending conditions

On body assessments were performed on a
truncated detailed human body model (in simulations)
with in three configurations: (1) in flat condition (on
chest); (2) in X60 condition on a truncated upper arm;
and (3) in Y60 condition on the same truncated upper
arm. Simulations of the proposed structure on the
dispersive tissues were performed using the finite time
integral method using voxel resolutions of 2 x 2 x 2
mm?. The chest and the upper arms contain mainly the
skin, muscle and fat tissues, which properties are

summarized in Table 3 [15]. Similarly, measurements
were performed on a human volunteer on both locations
and the three configurations when placed at 10 mm away
from the body phantom. To evaluate the level of
degradation contributed by the human body, the Si; for
both antennas are first measured on-body in a flat
condition on the chest as shown in Fig. 7. This is
compared with its performance when simulated in
planar form. Next, the antenna is further evaluated in
terms of radiation patterns in an anechoic chamber, and
measurements gathered are compared with simulations
in Fig. 8.
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Fig. 7. Measured reflection coefficients of Antenna A and B when (a) placed on body (flat on chest and flat in free
space), (b) bent with X60 on the upper arm, and (c) bent with Y60 on the upper arm. Legend: Crossed (blue) line:
Antenna A flat on chest, solid (red) line: ant Antenna B flat on chest, short dashed (cyan) line: Antenna A in X60 and
Y60 conditions and dotted (black) line: Antenna B in X60 and Y60 conditions.
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Fig. 8. Normalized measured radiation patterns for Antenna A and B when placed flat on chest and bent with X60 and
Y60 on body: (a) at 2.45 GHz in the xz-plane (X60), (b) at 5.8 GHz in the xz-plane (X60), (c) at 2.45 GHz in the xz-
plane (X60), (d) at 5.8 GHz in the xz-plane (Y60). Legend: Solid crossed (blue) line: Antenna A placed flat on chest,
solid (red) line: Antenna B placed flat on chest, short dashed (cyan) line: Antenna A with X60/Y60 on the upper arm,
and dotted (black) line: Antenna B with X60/Y60 on the upper arm.

Table 3: Summary of the tissue properties used in
simulations

Tissue Blood Muscle Fat
Type

Frequency

(GH2) 245 | 58 | 245 | 58 | 245 | 5.8
€ 58.3 | 52.5 | 52.7 [48.49| 5.28 | 4.95
tand 0.32 |1 0.38 | 024 | 0.32 | 0.15 | 0.18

Cond (S/m)| 2.54 | 6.51 | 1.74 | 4.96 | 0.10 | 0.29

Finally, the antennas bent at the x- and y-axes
are experimentally validated in terms of reflection
coefficient. This is performed similarly as was done in
simulations using a thin and hollow cylinder on a human
volunteer. The measured results illustrated in Figs. 7 (b)
and (c) indicated that there is minimal level of changes
in the lower band despite bending the antenna structure
at both x- and y-axes. Changes are mainly noticeable in
the upper band, where the same antenna (either A or B)
maintaining their behavior despite being bent at different
axes. This indicates that the antenna is affected minimally
when bent at either axis.

D. Specific Absorption Rate (SAR)

The SAR values for both proposed antenna is
calculated using CST MWS by placing the antennas in
proximity of a truncated human voxel model (either
on the chest or upper arm). Similar to the previous
investigation [17], the antennas are placed 10 mm away
from these models. The SAR value is calculated based
on the IEEE C95.1 standard averaged over 10 g of tissue
volume and is regulated to be safe when lower than 2
Wi/kg.

SAR is a measure of power absorbed per unit mass,
e.g., in the human body tissue. It is spatially averaged

over the total mass of an exposed body or its parts, and
it is calculated from the root-mean-square electric field
strength, E (in volts per meter) inside the human body;
the conductivity, o (in Siemens per meter); and the mass
density, p (in kilograms per cubic meter) of the biological
tissue as follows:

SAR = Z£ )

Do

SAR is calculated by solving electromagnetic field
interaction from different and adjacent meshes. In the
case of the body tissues, their voxel properties were
determined from MRI scans of different tissues. In
this work, hexahedral meshes were used so that the
constitutive parameters for each cell edge with irregular
geometries and inhomogeneous dielectric composition
can be calculated independently. Next, the simulator
then solves the Maxwell’s equations at each cell edge
at discrete time steps, taking into consideration the
three dimensional complex biological geometries, which
involves a large amount of cells. In this work, SAR were
calculated on the truncated chest and upper arm models
with a total of about 20 million of hexahedral meshes per
simulation. While meshes were generated automatically
prior to simulations, at least 10 lines per wavelength
with a mesh line ratio limit of 20 is set.

Table 4: Summary of the calculated SAR from both
antennas

SAR Chest X60 onthe | Y60 on the

Value (W/kg) Upper Arm | Upper Arm
(Wikg) (W/kg)

Freq

(GH2) 245 | 58 | 245 | 58 | 245 | 538

Ant A | 0.094 | 0.043 | 0.121 | 0.057 | 0.097 | 0.047

AntB | 0.082 | 0.052 | 0.122 | 0.061 | 0.089 | 0.059
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Fig. 9. Calculated SAR distribution for Antenna B when placed in planar and bent conditions at: (a) 2.45 GHz (flat),
(b) 5.8 GHz (flat), (c) 2.45 GHz (with X60), (d) 5.8 GHz (with X60), (e) 2.45 GHz (with Y60), and (f) 5.8 GHz (with

Y60).
Table 5: Comparison of the proposed antenna with recent literatures in terms of performance.
Ref. Topology Op. Bands 10dB Frac. Gain Dle(\)/gltsianVgn SAR
(o)
No. (GH2) WBW (%) (dB) Body (GH2) (W/kg)
2] Planar dipole, fork 2.4 12.7 4.9 0.3 1.98
shaped 5.2 4.45 6.15 0.2 0.92
. 2.45 12.7 2.5 0.06 0.046
[3] Planar slotted dipole 5o 18.9 Y 02 0.023
7] Planar magneto- 2.45 20 4.7 0.03 0.026
dielectric dipole 5 31.5 3 0.05 0.044
[11] Patch with 2.45 5.5 -3.5 0.02 0.012
metamaterial element 5.14 11.3 6.6 0.2 0.25
. 2.45 411 5.9 0.05 0.082
Ant B | Planar slotted dipole 3 13.12 75 0.05 0.052

A summary of the SAR values calculated for both
antennas is provided in Table 4. The calculated SAR
distribution at 2.45 GHz and 5.8 GHz for Antenna B
when placed in all three configurations (flat, X60 and
Y60) are shown in Fig. 9. Due to the use of the AMC
plane, the SAR values for both antennas did not exceed
0.13 W/kg in all bands. It can be seen that SAR values
for both antennas are similar when placed on all
locations and for all configurations. It is also observed
that the highest SAR is produced in the lower band when
bent in X60 condition for both antennas. The proposed
antenna is compared with recent textile antennas
operating in dual band mode and is summarized in
Table 5. It can be observed that Antenna B provided
comparable, if not better, balance in performance
between bandwidth and gain, besides the reasonably low
SAR when operated on body.

IV. CONCLUSIONS

A dual band slotted dipole antenna with AMC is
proposed for operation in the in the 2.45 GHz and 5.8
GHz for WLAN and WBAN bands. To ensure a flexible,
wearable and low profile structure, felt is used as its
substrate and Shieldlt Super as its conductors. The
proposed Antenna B is compared with a previous work
denoted as Antenna A. It is observed that the integration
of Antenna B with the optimized AMC produced wider
bandwidths of 766 MHz (flat), 875 MHz (X60) and
850 MHz (Y60) in the upper band. In the lower band,
both antennas produced similar narrow bandwidths of
about 100 MHz. Despite this, Antenna B improved the
realized gain and reduced backward radiation for all
conditions relative to Antenna A. Maximum gains of
2.38 dB and 6.53 dB are observed in the lower and upper
band, respectively, when assessed in a planar free space



condition. Higher directivities and gains are also observed
for Antenna B in both bands. Finally, calculated SAR
value using a detailed human body model for both
antennas are below 0.13 W/kg indicating their safe
operation in proximity of the human body in planar and
bent conditions.
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Abstract — This paper presents a low—profile dual-band
(2x2) MIMO antenna that works at 2.4GHz, 5.2GHz
and 5.8GHz for wireless local area networks (WLAN)
applications. A neutralization line technique for enhancing
the isolation is used by introducing a strip line with a
length of Ay/4 at the isolation frequency (2.4GHz)
between the radiating elements. The overall dimensions
of the proposed antenna are 36x33.5x1.6 mmd. The
antenna is fabricated and tested to validate the simulation
results. The practical results show fair agreements with
the simulated outcomes. The antenna achieves impedance
bandwidths from 2.15GHz to 2.52GHz and from 4.5GHZ
to 6.45GHz for reflection coefficient |[S11| < -10dB. On
the other hand, the result of S21 for the two bands is
better than -10dB and it has reached to -25dB around
2.4GHz and -35dB around 5.5GHz. The MIMO antenna
performance characteristics are reported in terms of
scattering parameters, envelope correlation coefficient
(ECC), total active reflection coefficient (TARC), channel
capacity loss (CCL), diversity gain (DG) and antenna
radiation patterns. Analysis of these characteristics
indicates that the design is appropriate for the WLAN.

Index Terms — MIMO antenna, mutual coupling,
parasitic elements, WLAN.

I. INTRODUCTION
Recently, the wireless communications systems are
expanded explosively to support the increasing demands
of high transmission rate with high throughput for various
fixed and mobile services. To fulfil these demands, the
researchers and the manufacturers shifted from one
antenna to multiple antenna systems. Multiple Input

Submitted On: August 16, 2019
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Multiple Output (MIMO) system can be considered as
the backbone of the new wireless technologies due to its
unique features of achieving higher data rates without
consuming extra power in the multipath environment [1,
2]. One significant drawback associated with the MIMO
system is the mutual coupling between the radiating
elements inside the MIMO antenna structure. This
means that some of the energy will be radiated from one
element to the other one and vice versa. The main reason
for this issue is the close placement of the multiple
radiating elements inside the MIMO antenna structure.
As a result, if the radiating elements are closer, the
coupling between them will be stronger [3, 4].

Various techniques were developed in the last few
years to enhance the isolation inside the MIMO antenna
structure. Various antenna designs with different band
classifications such as narrowband, wideband and dual/
triple band have used these approaches [5]. Methods
reported include using parasitic elements between the
antennas [6, 7], junctions and branches in the form of
T-shape [8, 9], defected ground structures (DGS) [10,
11], stubs [11, 12], neutralization lines (NL) [13-17] and
metamaterial resonators [18-25].

The neutralization line technique can be classified
as one of the effective methods that are used to improve
the isolation in MIMO antenna systems as illustrated in
[13-17]. According to Chebihi et al. in [26], the main
function of the NL is to pass the electromagnetic (EM)
wave from one radiating element to the other one at a
certain point inside the MIMO antenna structure via a
metallic slit or lumped element. This EM wave should
have an opposite coupling to reduce the main coupling
in the antenna system at a specific frequency band [27].
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The critical issue associated with this technique is
the selection of the point. The position of the point inside
the radiating structure should have low impedance and
high current density [28]. Two parameters should be
taken into account in the designing of NL; the first
parameter is the length and the second one is the width.
These parameters have a great effect on the results of
the mutual coupling. Recently, the neutralization line
technique was explained by several mobile phone
companies. For example, Samsung [29] and LG Electronics
[30] as a very effective mechanism for solving isolation
problems in MIMO antenna systems. Several types of
neutralization line structures are used in literature such
as thin printed neutralization lines [31], pair of crossed
neutralization lines [32], LC matching network and NL
[33] and neutralization lines between ground planes [34].

In this paper, a low profile dual-band MIMO
antenna is proposed to cover the WLAN bands
(2.4/5.2/5.8GHz). The designed antenna basically consists
of two uni-planar double T-shaped monopole antennas.
A neutralization lines technique is used to connect the
two radiating elements of the proposed MIMO antenna.
The main aim of this paper is to optimize the NL
positions and widths to validate the effectiveness of the
NL on the isolation and the impedance bandwidth of the
proposed antenna. The proposed antenna is fabricated to
validate the simulation results. The antenna performance
characteristics are reported in terms of scattering
parameters, ECC, TARC, CCL, DG and antenna radiation
patterns. Analysis of these characteristics indicates that
the design is appropriate for WLAN applications.

I1. ANTENNA DESIGN

In this design, a dual-band MIMO antenna with
two double T-shaped radiating elements is modelled
and simulated to fulfil the requirements of WLAN
applications. FR4 with 1.6mm thickness, 4.3 relative
permittivity, and 0.025 tangent loss is used as a substrate
material for the proposed design of size 36x33.5x1.6
mm?. The inter-element distance between the radiators is
kept at 0.024),, which is equivalent to 3mm. on the other
hand, the centre to centre separation is kept at 16.5mm.
The antennas share the same ground plane in the bottom
layer of the substrate. The ground plane is beveled to
prevent proximity effects. Initially, a simple two double
T-shaped radiating elements are modelled to work at
dual frequency bands. The simple approach to design
an antenna with a dual-band operation is by obtaining
two elements with different lengths inside the antenna
structure. So that, each element will resonate at the
desired frequency by matching its length with a quarter
of the wavelength of the operating frequency [35].
Therefore, the upper-frequency band is controlled by the
shorter T-shaped arm while the lower frequency band
is controlled by the longer T-shaped arm. Moreover,
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a neutralization line with a length of 16.5mm is
constructed to connect the two radiating elements for
isolation enhancement purposes. The length of the NL is
equivalent to Ay/4 at the isolation frequency (2.4GHz).
The schematic structure of the proposed antenna is
shown in Fig. 1 and all the optimized dimensions are
summarized in Table 1.

Mo
I:l Substrare

33.5mm

36mm 36mm

Top View Bottom View

33.5mm

36mm “* 36mm

Top View Bottom View
(b)

Fig. 1. The configuration of the proposed antenna: (a)
antenna with NL, and (b) antenna without NL.

Table 1: MIMO antenna parameters values

Parameters Value Parameters Value

(mm) (mm)
hil 7.8 L1 16
h2 4 L2 16.5
h3 2.5 L3 4.75
h4 17 L4 6.75
h5 2.5 L5 5.25
h6 17 L6 5.75
h7 15 L7 15
h8 1 L8 2.6
L9 7.25

The surface current distribution of the proposed
antenna is used to analyse the contributions of the
neutralization line properly. Two cases are studied at
2.4GHz, the first case is the proposed antenna with
excluding neutralization line while the second case is the
proposed antenna with including neutralization line. This
study is performed by exciting port 1 and terminated
port 2 with a matching load. Figure 2 demonstrates the
surface current distribution with and without NL. It can
be obviously seen that induced current in the feeding line
port 2 is high in the case of the absence of the
neutralization line. On the other hand, the existence of
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the neutralization line will lead to introduce a new
current path which generates an additional coupling to
reduce the original coupling as shown in Fig. 2 (a) [36].

T

@ o)

Fig. 2. Surface current distributions of the proposed MIMO
antenna at 2.4GHz: (a) with NL and (b) without NL.

I1l. S-PARAMETERS OF THE PROPOSED
ANTENNA WITH AND WITHOUT NL
The S-parameters of the antenna with and without

the neutralization line are simulated to verify the
effectiveness of the neutralization line (NL). Figure 3
shows the simulated result of the reflection coefficients
Su1. It can be clearly observed that there is a shift to the
right side (toward 2.4GHz) in the first band of operation
and a reduction in the bandwidth of the same band. On
the other hand, there is no effect on the second band after
inserting the NL. Therefore, the same band is achieved.
The simulated coupling with and without NL is
illustrated in Fig. 4. It can be clearly seen that the mutual
coupling around 2.4GHz without NL is higher than
-10dB. By inserting the neutralization line, the mutual
coupling between the elements is decreased significantly
in this band. The simulated isolation is nearly 27dB at
2.4GHz and 17dB at 5.5GHz as explained in Fig. 4.

IV. PARAMETRIC STUDY
To clarify the effects and obtain the optimized
values of the proposed design, parametric studies based
on the position and the width of the neutralization line
were explained in Fig. 5 are carried out.

0 AAAAAAA
‘-\ " //‘\\
* ”
b .
-10
; . P
L \ ;
\ \ ;
Ny

40 [-=-511(dB) with NL
—S11(dB) without NL

1 2 3 4 5 6 7
Frequency (GHz)

Fig. 3. Simulated reflection coefficients S;1 with and
without neutralization line for the proposed antenna.
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Fig. 4. Simulated transmission coefficients S,; with and
without the neutralization line for the proposed antenna.

Fig. 5. Configuration of the proposed antenna for
parametric study.

A. The effectiveness of the position of NL on the S-
parameters

To validate the effectiveness of the position of
the neutralization line, the simulated s-parameters of
the antenna with different positions (hn) of the NL are
investigated as shown in Fig. 6 and Fig. 7 respectively.
Figure 6 shows that by raising the position of the NL,
the first band is shifted toward 2.4GHz band while the
beginning of the second band is shifted backward. On
the other hand, raising the position of the NL leads to
decrease the mutual coupling between the elements in
the first band and there are no effects on the second band.
Tables 2 and 3 are summarized the values for the two
figures to clarify the results.

¢ —811 hn=22

---$11 hn=23
~-$11 hn=24

S11 (dB)

-25
2 25 3 35 4 45 5 5.5 6 6.5

Frequency (GHz)

Fig. 6. The simulated reflection coefficient of the
proposed antenna with different positions of NL.



Table 2: The effect of the position of NL on the reflection
coefficients

hn=22 hn=23 hn=24 hn=25

mm mm mm mm
f=2.4

-11.1dB -12.8dB -16.7dB -16.52dB
GHz
f=5.2

-16.58dB | -15.24dB -15.8dB -15.7dB
GHz
f=5.8

-13dB -12.48dB | -12.29dB | -12.32dB
GHz
0

[7)
=
ﬁ & 3
IRy L —S21 hn=22
1Y} Vo ---821 hn=23
30 521 hn=24
y 521 hn=25
2 25 3 35 4 45 5 55 6 65

Frequency (GHz)

Fig. 7. Simulated transmission coefficient S21 of the
third proposed antenna with different positions of NL.

Table 3: The effect of the position of NL on the
transmission coefficients
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—511 wn=0.25mm
==-511 wn=0.5mm
~—8511 wn=0.75mm
---811 wn=1mm

3.5 i 4.5 5 5.5 6 6.5

Frequency (GHz)

Fig. 8. Simulated reflection coefficient S11 of the third
proposed antenna with different width of NL.

=J

A0f=

S21 (dB)
N
=

—521 wn=0.25
---521 wn=0.5
=821 wn=0.75
-—521 wn=1

55 6

35 4 45 5 6.5

Frequency (GHz)

Fig. 9. Simulated transmission coefficient S21 of the
third proposed antenna with different widths of NL.

Table 4: The effect of the width of NL on the reflection
coefficients
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hn=22 hn=23 hn=24 hn=25
mm mm mm mm

f=2.4 -8.3dB -9.5dB -12.2dB -18.7dB
GHz ' ' ) '
f=5.2

-13.19dB -13.9dB -13.99dB | -13.64dB
GHz
f=5.8

-13.76dB | -13.45dB | -13.28dB | -12.68dB
GHz

B. The effectiveness of the width of NL on the S-
parameters of the proposed antenna

The width of the NL is changed form 0.25mm to
Imm. with 0.25mm steps. Figures 8 and 9 represent the
reflection coefficients (S11) and the mutual coupling
(S21) respectively. It can be clearly seen that by increasing
the width of the NL, the reflection coefficients are
decreased slightly and there are low effect on the two
frequency bands. On the other hand, the mutual coupling
values decrease by increasing the width of the NL at first
band and there is a small effect on second band. The
summarized values of the two figures are listed in Table
4 and Table 5 respectively.

wn=0.25 | wn=05 | wn=0.75 wn=1
mm mm mm mm
=24\ 157dB | -16.33dB | -13.9dB | -12.6B
GHz
%52 | .157dB | -1569dB | -156dB | -15.6dB
GHz
=58 | 12320B | -12.24dB | -12.1dB | -12.1dB
GHz

Table 5: The effect of the width of NL on the transmission

coefficients
wn=0.25 wn=0.5 wn=0.75 wn=1
mm mm mm mm

f=2.4 24 dB -225dB -18.5dB -16 dB
GHz
=52 | 137dB | -13.660B | -13.68dB | -13.7dB
GHz
=58 | o848 | -12.7dB | -127dB | -127dB
GHz

V. RESULTS AND DISCUSSION
To verify the simulated outcomes, the proposed
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MIMO antenna is fabricated and tested. The prototype
design of the proposed antenna is displayed in Fig. 10.
The scattering parameters in terms of reflection coefficient
(S11) and transmission coefficient (Sz1) were measured
using vector network analyser (VNA) while the radiation
patterns were measured facilities inside the anechoic
chamber. Distinguishing features such as high isolation
between the radiating elements, low values for envelope
correlation coefficient and channel capacity loss, TARC
value < -10dB within the desired frequency band and
omnidirectional radiation pattern, indicate the potential
of proposed MIMO antenna. The designed antenna was
prototyped using the same substrate and dimensions used
in the simulation. The comparisons between the simulated
and the measured results in terms of S-parameters are
plotted in Fig. 11 and Fig. 12 respectively. It can be clearly
seen that there is a reasonable agreement between results
with some tolerance that can be attributed to reflections
from the SMA connectors and the objects near the antenna
during the tests. The measured impedance bandwidths
of the antenna cover the operating frequency bands
from 2.4 to 2.7GHz and from 4.4 GHz to 6.7GHz for
the reflection coefficient |S11| < -10dB. These achieved
bandwidths fulfil the requirements of the WLAN
applications. On the other hand, the result of S21 for the
two bands is less than -10dB and it reaches to -30dB
around 2.4 GHz and 5.5GHz.

(b)

Fig. 10. The fabricated MIMO antenna design with N:
(@) top view and (b) back view.

0
—3511 Simulated with NL
5 e L - PN = =511 Measured with NL
’ \
. \ \
e s
@ .10 a0
= \
o 151
-20
25
1 2 3 4 5 6

Frequency (GHz)

Fig. 11. Simulated and measured S11 of the proposed
MIMO antenna with NL.
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Fig. 12. Simulated and measured S21 of the proposed
MIMO antenna with parasitic elements.

Generally, the envelope correlation coefficient
(ECCQ) is a significant factor in MIMO antenna systems
due to its ability to examine how much the radiating
elements are independent and they rely on their
individual performances. The evaluation of the ECC of a
MIMO antenna could be obtained through two different
approaches. The first method depends on the far-field
radiation pattern of the antenna [1, 37] and the second
method uses the S-parameters of the antenna [30]. The
simulated and measured ECC of the proposed MIMO
antenna were calculated using equation 1 [30] and the
results are illustrated in Fig. 13. It can be clearly seen
from Fig. 13 that the value of the ECC is less than 0.025
in two bands which is significantly less than the 0.3, the
requirement for MIMO antenna applications [28]:

_ |S*11812+5%21525|
ECC= (A-151112=152113) (1=S2212=1S121?)’

@

0.3 -
—Simulated ECC

0.25 = ~Measured ECC

"
"
0.2

[&]
©0.15
w

0.1
0.05 L1
\ ” ! |}

1.5 2 25 3 35 4 4.5 5 55 6
Frequency (Ghz)

Fig. 13. Simulated and measured ECC of the proposed
MIMO antenna with NL.

Basically, the channel capacity of the MIMO system
could be improved by increasing the number of antennas.
whilst the existence of the uncorrelated Rayleigh-fading
may lead to a loss in the channel capacity. For two
elements of MIMO systems, the channel capacity loss
could be calculated by using the correlation matrix
mentioned in [38]. The simplified form of channel
capacity loss is listed below [39]:

Cioss= —log, det(p®), 2
where @R is the correlation matrix receiving antenna:



R _ P11 .012]
P21 P22l

. 2
with p; = (1 - (lSiilz + 1Sy ))
The computed and measured capacity loss of the
proposed MIMO antenna is illustrated in Fig. 14. In this
figure, the capacity loss is less than 1 bit/s/Hz for the two

bands and there is a very good agreement between the
calculated and measured results.

N .—Capacity loss Simulated
I \ = =Capacity Loss Measured
7 L
=6 "
a '
Ta 1

_ﬂl 4
2
82
=}
8

0 \j o

1.5 2 25 3 35 4 45 5 55 6 6.5

Frequency

Fig. 14. Simulated and measured CCL of the proposed
MIMO antenna with parasitic elements.

The total active reflection coefficient (TARC) is a
considerable parameter in the MIMO antenna system
which is used to properly characterize the bandwidth and
efficiency of the system. TARC defines as the result of
dividing the square root of the total reflected power to
the square root of the total incident power [28]. Equation
(3) uses to evaluate the TARC value in the two-port
MIMO antenna system [14]:

ot = \[((|su+slzef9|2):(|s21+s22ef6|2)) @

The computed TARC of the present design is
explained in Fig. 15 and Fig. 16 respectively. Figure 15
is created using equation (3) to cover the phase range
from 0 to 180 degrees with phase steps of 30 degrees.
The average value of TARC is shown in Fig. 16. It can
be clearly seen that the two bands appeared with a TARC
value of less than -10dB.

I3
=9

-
=]
V

\|

/7 |[—cadimeatarcatodeg
—— Calclilated TARC at 30 deg

lated TARC at 60 deg
——Calcjilated TARC at 90 deg
~—— Calc{ilated TARC at 120 i
Caicliated TARC at 150 &4
cjlated TARC at 180 o4

TARC (dB)
=

»n
=
T
el.
e

N
-

Frequency

Fig. 15. Calculated TARC with a different phase of the
proposed MIMO antenna with parasitic elements.
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Fig. 16. The calculated average value of TARC for the
proposed MIMO antenna with parasitic elements.

Diversity Gain (DG) is another important factor that
affects the performance of a MIMO antenna system. This
metric can be defined as the amount of improvement
in the diversity antenna system compared to a single
antenna system in one diversity channel [28]. In this
paper, the DG can be calculated using the following
equation [40]:

DG = 10,/1 — (ECC)2. 4

Figure 17 represents the simulated DG of the
proposed MIMO antenna. It can be clearly seen that the
DSs values for the two frequency bands are very close to
the ideal value of DG (DG=10dB).

10

©
[

Diversity Gain
O

—Simulated Diversity Gain
— -Measured Diversity Gain

L
o

1.5 2 25 3 35 4 45 5 5.5 6
Frequency (GHz)

Fig. 17. The simulated and measured diversity gain of
the proposed MIMO antenna.

Finally, the prototyped design of the proposed
antenna is tested in terms of far-field radiation patterns
at three different frequencies in the anechoic chamber
of the University of Bradford. These patterns were
measured in the two planes of XZ and YZ, in the case of
exciting port 1 and terminating port 2. The elevation-
over-azimuth positioner was used by synchronizing the
elevation axis with the MIMO antenna’s coordinate
system at (6 = 0°). Therefore, cuts at constant ¢ will
be generated by the azimuth drive. A broadband horn
(EMCO type 3115) is used as a transmitting antenna and
a 4m distance was kept between the transmitter and the
antenna under test. The measurements have carried out
by rotating the azimuth positioner from 6= -180 to 180
at increments of 5 degrees. The practical results are
shown in Fig. 18 and they explain that at the three
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frequencies, the far-field radiations achieve stable
omnidirectional patterns. For further evaluation of the
volumetric radiation patterns, the three-dimensional
variation of the radiated field for the proposed antenna is
calculated at three frequencies and are shown in Fig. 19.
This figure gives more appreciation of the field shape as
compared to that of the 2-D representations.

(a)

(b)

m @ &) “
(©)

Fig. 18. Simulated and measured radiation patterns of the
proposed antenna for two planes [(1 and 2) y-x plane and
(3 and 4) z-x plane] at: (a) 2.4GHz, (b) 5.2GHz, and (c)
5.8GHz. Port 1 is excited and port 2 is terminated.
“  ” simulated results, “ ” measured results, ‘1
and 3’ co-polar components and “2 and 4” cross-polar
components.

VI. COMPARISON WITH PUBLISHED
WORKS

Furthermore, the proposed MIMO antenna is
compared with several published data from other
researchers. All the antennas in this comparison were
used neutralization line as reduction technique in their
antennas. This comparison is not comprehensive, but it
has a fair representative for the state of the art of this
technology. The comparison depends on the overall size
of the antenna, the frequency of operation, the separation
distance between the radiating elements, the isolation
between the elements and the diversity performance in
terms of ECC, CCL, TARC and DG. The summary of
this comparison has listed in Table 6. It can be noticed
that the dimensions of the proposed antenna are
moderate between the other antennas. The isolation of
the proposed antenna is shown to provide a good value
compared to the distance between the radiating elements.
Low-level correlation coefficient and minimum channel
capacity loss compared with other designs have also
been obtained. These features confirm that this design is
a good candidate for the MIMO antenna design.
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(a) 2.45 GHz
E-Vector

(b)5.2 GHz

E-Vector
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Fig. 19. The simulated 3-D pattern of the proposed MIMO
antenna at: (a) 2.4GHz, (b) 5.2GHz, and (c) 5.8GHz.

Table 6: Comparison with other works
Ref. No. 41 42 43 44
Size (mm?) 26.7x32.94 | 60x7.5 40x90 35x16
x1.6 x4.5 x0.79 x0.8
BW 2.4-2.484
(GH2) 305135 | c"ras | 2442 3.1-5
Separation | 5o | 1gmm | 188mm | 2.2mm
distance
Isolation (dB) >10 Max 16, 23 >16 Max 22
ECC <0.1 NA <0.06 NA
CCL (bps/s/Hz) NA NA NA NA
TARC<-10dB NA NA NA NA
DG (dB) NA NA NA NA
This
Ref. No. 45 46 47 ARiETTR
Size (mm®) | 120x60x0.8 | 80x60x0.8 | 65x30x1 |36x33.5x1.6
BW 2.42.7
(GHz2) 0.76-0.82 | 1.67-2.76 | 2.38-2.51 4467
Se;_)aratlon 10mm 10mm 14mm 3mm
distance
Isolation (dB) Max 11.5 >15 Max 22 >15
ECC <0.5 <0.05 <0.006 <0.1
CCL (bps/s/Hz) NA NA NA <0.05
Cover the | Covers the
TARC<-10dB NA NA band tWo bands
DG (dB) NA >9.98 NA >9.99




VI1I. CONCLUSION AND FUTURE WORK

A compact dual-band MIMO antenna operating at
WLAN bands (2.4/5.2/5.8 GHz) has been designed. The
schematic structure of this antenna consists of two
double T-shaped radiating elements with a neutralization
line to connect them. The optimum value of isolation has
been obtained by optimizing the neutralization line in
terms of width and position. The antenna has achieved
bandwidths from 2.4GHz to 2.7GHz and from 4.4 t0 6.7
for reflection coefficient |S11| < -10dB. On the other
hand, the results of S21 for the two bands are better than
-15dB and it has reached to -30dB around 2.4GHz and
5.5GHz. The Envelope correlation coefficient has also
been evaluated and found to be less than 0.01 in the two
bands. Channel capacity loss is another parameter that
has been calculated and presented. The obtained value of
CCL is less than 0.5 bps/s/Hz in the two required bands.
The simulated and measured average TARCs have been
also illustrated. It has been observed that the two bands
appeared with a TARC value of less than -10dB. Diversity
gain is another important metric that has been studied in
this work. The achieved value of DG is very close to the
ideal value (10dB) over the two frequency bands. The
simulated and measured radiation patterns were presented
at three different frequencies and they showed nearly a
stable omnidirectional behavior. These achievements
indicate that the proposed antenna can be a good candidate
to work within WLAN frequency band applications. Some
differences have been noticed between the simulated and
measured results which related to manufacturing and
measurement tolerances. Finally, an interesting area of
using a Genetic Algorithm (GA) to evaluate the effect of
neutralization lines within the MIMO antenna structure
can be used to extend this work in the future.

ACKNOLEDGEMENTS
Adham M. Saleh would like to thank the Higher
Committee for Education Development in Irag (HCED)
for supporting this project financially and monitoring his
Ph.D. progress. The authors would like to acknowledge
Ninevah University and the University of Bradford for
their massive support during this project.

REFERENCES

[1] R. G. Vaughan and J. B. Andersen, “Antenna
diversity in mobile communications,” IEEE Trans-
actions on Vehicular Technology, vol. VT-36, pp.
147-172, Nov. 1987.

[2] G. J. Foschini and M. J. Gans, “On limits of
wireless communications in a fading environment
when using multiple antennas,” Wireless Pers.
Commun., vol. 6, pp. 311-335, 1998.

[3] J. Leivo, “Improving the performance of strongly
coupled antennas using a compensating trans-
mission line network,” M.Sc. Thesis, Gothenburg,
Chalmers University of Technology, Sweden, 2009.

[4]

(5]

(6]

[7]

(8]

[l

[10]

[11]

[12]

[13]

[14]

[15]

[16]

SALEH, NAGIM, ABD-ALHAMEED, NORAS, SEE: DUAL-BAND UNI-PLANAR MIMO SYSTEM

S. R. Saunders and A. A. Zavala, Antennas and
Propagation for Wireless Communication Systems,
2" Ed., John Wiley & Sons Ltd, 2007.

C. H. See, et al., Compact Wideband Printed
MIMO/Diversity Monopole Antenna for GSM/
UMTS and LTE Applications. In: 1. Elfergani,
A. Hussaini, J. Rodriguez, R. Abd-Alhameed
(eds), Antenna Fundamentals for Legacy Mobile
Applications and Beyond. Springer, Cham, 2018.
R. Addaci, A. Diallo, C. Luxey, P. Le Thuc, and
R. Staraj, “Dual-band WLAN diversity antenna
system with high port-to-port isolation,” in IEEE
Antennas and Wireless Propagation Letters, vol.
11, pp. 244-247, 2012.

X. B. Sun and M. Y. Cao, “Low mutual coupling
antenna array for WLAN application,” in Elect-
ronics Letters, vol. 53, no. 6, pp. 368-370, 2017.
X. L. Liu, Z. Wang, Y.-Z. Yin, and J. H. Wang,
“Closely spaced dual band-notched UWB antenna
for MIMO applications,” Progress In Electromag-
netics Research C, vol. 46, pp. 109-116, 2014.

H. Qinand Y.-F. Liu, “Compact dual-band MIMO
antenna with high port isolation for WLAN
applications,” Progress In Electromagnetics
Research C, vol. 49, pp. 97-104, 2014.

P. Sharmaa and T. Khanb, “A compact MIMO
antenna with DGS structure,” International Journal
of Current Engineering and Technology, vol. 3, no.
3, pp. 780-782, 2013.

W. N. N. W. Marzudi, et al., “Uni-planer MIMO
antenna for WLAN and WiMAX wireless services,”
International Journal of Computer and Information
Technology, vol. 8, no. 3, pp. 78-83, May 2019.

H. Zhao, F. Zhang, C. Wang, and J. Liang, “A
compact UWB diversity antenna,” International
Journal of Antennas and Propagation, vol. 2014,
Acrticle ID 805853, 6 pages, 2014.

W. N. N. W. Marzudi, et al.,, Two-Elements
Crescent Shaped Printed Antenna for Wireless
Applications. In: H. Sulaiman, M. Othman, M.
Othman, Y. Rahim, N. Pee (eds), Advanced Com-
puter and Communication Engineering Technology.
Lecture Notes in Electrical Engineering, vol. 315,
Springer, Cham, 2015.

S. Su, C. Lee, and F. Chang, “Printed MIMO-
antenna system using neutralization-line technique
for wireless USB-dongle applications,” in IEEE
Transactions on Antennas and Propagation, vol.
60, no. 2, pp. 456-463, Feb. 2012.

Y. Wang and Z. Du, “A wideband printed dual-
antenna with three neutralization lines for mobile
terminals,” in IEEE Transactions on Antennas and
Propagation, vol. 62, no. 3, pp. 1495-1500, Mar.
2014.

S. Zhang and G. F. Pedersen, “Mutual coupling
reduction for UWB MIMO antennas with a

183



184

[17]

[18]

[19]

[20]

[21]

[22]

[23]

[24]

[2]

[26]

wideband neutralization line,” in IEEE Antennas
and Wireless Propagation Letters, vol. 15, pp. 166-
169, 2016.

A. M. Saleh, K. H. Sayidmarie, R. A. Abd-
Alhameed, S. Jones, J. M. Noras, and P. S. Excell,
“Compact tri-band MIMO antenna with high port
isolation for WLAN and WiMAX applications,”
2016 Loughborough Antennas & Propagation
Conference (LAPC), Loughborough, pp. 1-4, 2016.
R. Selvaraju, M. H. Jamaluddin, M. R. Kamarudin,
J. Nasir, and M. H. Dahri, “Complementary split
ring resonator for isolation enhancement in 5G
communication antenna array,” Prog. Electromagn.
Res., vol. 83, pp. 217-228, 2018.

M. M. Bait-Suwailam, O. F. Siddiqui, and O. M.
Ramahi, “Mutual coupling reduction between micro-
strip patch antennas using slotted-complementary
split-ring resonators,” in IEEE Antennas and Wire-
less Propagation Letters, vol. 9, pp. 876-878, 2010.
Z. Qamar, L. Riaz, M. Chongcheawchamnan, S. A.
Khan, and M. F. Shafique, “Slot combined
complementary split-ring resonators for mutual
coupling suppression in microstrip phased arrays,”
in IET Microwaves, Antennas & Propagation, vol.
8, no. 15, pp. 1261-1267, 9 12 2014.

M. S. Sharawi, M. U. Khan, A. B. Numan, and D.
N. Aloi, “A CSRR loaded MIMO antenna system
for ISM band operation,” in IEEE Transactions on
Antennas and Propagation, vol. 61, no. 8, pp. 4265-
4274, Aug. 2013.

A. Ramachandran, S. Valiyaveettil Pushpakaran,
M. Pezholil, and V. Kesavath, “A four-port MIMO
antenna using soncentric square-ring patches loaded
with CSRR for high isolation,” in IEEE Antennas
and Wireless Propagation Letters, vol. 15, pp.
1196-1199, 2016.

M. S. Khan, A. Capobianco, S. M. Asif, D. E.
Anagnostou, R. M. Shubair, and B. D. Braaten, “A
compact CSRR-enabled UWB diversity antenna,”
in IEEE Antennas and Wireless Propagation
Letters, vol. 16, pp. 808-812, 2017.

W. T. Li, Y. Q. Hei, H. Subbaraman, X. W. Shi,
and R. T. Chen, “Novel printed filtenna with dual
notches and good out-of-band characteristics for
UWB-MIMO applications,” in IEEE Microwave
and Wireless Components Letters, vol. 26, no. 10,
pp. 765-767, Oct. 2016.

D. A. Ketzaki and T. V. Yioultsis, “Metamaterial-
based design of planar compact MIMO mono-
poles,” in IEEE Transactions on Antennas and
Propagation, vol. 61, no. 5, pp. 2758-2766, May 2013.
M. G. N. Alsath, M. Kanagasabai, and B.
Balasubramanian, “Implementation of slotted
meander-line resonators for isolation enhancement
in microstrip patch antenna arrays,” IEEE Antennas
and Wireless Propagation Letters, vol. 12, pp. 15-

[27]

[28]

[29]

[30]

[31]

[32]

[33]

[34]

[35]

[36]

[37]

[38]

[39]

[40]

ACES JOURNAL, Vol. 35, No. 2, February 2020

18, 2013.

I. Nadeem and D. Choi, ‘Study on mutual Coupling
reduction technique for MIMO antennas,” in IEEE
Access, vol. 7, pp. 563-586, 2019.

M. R. Sharawi, Printed MIMO Antenna Engineering.
Norwood: Artech House, 2014.

J. Byun, J.-H. Jo, and B. Lee, “Compact dual-band
diversity antenna for mobile handset applications,”
Microwave and Optical Technology Letters, vol.
50, pp. 2600-2604, 2008.

K. Chung and J. H. Yoon, “Integrated MIMO
antenna with high isolation characteristic,” Elect-
ronics Letters, vol. 43, pp. 199-201, 2007.

S.-W. Su, C.-T. Lee, and F.-S. Chang, “Printed
MIMO-antenna system using neutralization-line
technique for wireless USB-dongle applications,”
IEEE Transactions. Antennas Propagation, vol.
60, no. 2, pp. 456-463, Feb. 2012.

S. Wang and Z. Du, “Decoupled dual-antenna
system using crossed neutralization lines for
LTE/WWAN smartphone applications,” in IEEE
Antennas and Wireless Propagation Letters, vol.
14, pp. 523-526, 2015.

Y. Ou, X. Cai, and K. Qian, “Two-element
compact antennas decoupled with a simple
neutralization line,” Prog. Electromagn. Res., vol.
65, pp. 63-68, 2017.

W. A. E. Ali and A. A. lbrahim, “A compact
double-sided MIMO antenna with an improved
isolation for UWB applications,” AEU-Int. J.
Electron. Commun., vol. 82, pp. 7-13, Dec. 2017.
S. Papantonis and E. Episkopou, “Compact dual-
band printed 2.5-shaped monopole antenna for
WLAN applications,” Progress In Electromag-
netics Research C, vol. 24, pp. 57-68, 2011.

Y. Ban, Z. Chen, Z. Chen, K. Kang, and J. L. Li,
“Decoupled hepta-band antenna array for WWAN/
LTE smartphone applications,” in IEEE Antennas
and Wireless Propagation Letters, vol. 13, pp. 999-
1002, 2014.

R. A. Bhatti, J. Choi, and S. Park, “Quad-band
MIMO antenna array for portable wireless comm-
unications terminals,” inlEEE Antennas and Wireless
Propagation Letters, vol. 8, pp. 129-132, 20009.

S. H. Chag, S. Oh, and S. Park, “Analysis of mutual
coupling, correlations, and TARC in WiBro MIMO
array antenna,” in IEEE Antennas and Wireless
Propagation Letters, vol. 6, pp. 122-125, 2007.

C. H. See, R. A. Abd-Alhameed, Z. Z. Abidin, N.
J. McEwan, and P. S. Excell, “Wideband printed
MIMO/diversity monopole antenna for WiFi/
WIMAX applications,” in IEEE Transactions on
Antennas and Propagation, vol. 60, no. 4, pp.
2028-2035, Apr. 2012.

A. Kumar, et al., “High isolation compact four-port
MIMO antenna loaded with CSRR for multiband



applications,”Frequenz, 72.9-10, pp. 415-427, 2018.
Retrieved 12 Aug. 2019, from doi:10.1515/freq-
2017-0276.

[41] J. Banerjee, R. Ghatak, and A. Karmakar, “A

compact planar UWB MIMO diversity antenna

with Hilbert fractal neutralization line for isolation
improvement and dual band notch characteristics,”

2018 Emerging Trends in Electronic Devices and

Computational Techniques (EDCT), Kolkata, pp.

1-6, 2018.

C. Jui-Hung, et al., “Dual-band WLAN MIMO

antenna with a decoupling element for full-metallic

bottom cover tablet computer applications,”

Microwave and Optical Technology Letters, vol.

60, no. 5, pp. 1245-1251, 2018.

E. Elkazmi, C. H. See, N. A. Jan, R. A. Abd-

Alhameed, N. Ali, and N. J. McEwan, “Design of

a wideband printed MIMO monopole antenna

using neutralization lines technique,” Asia-Pacific

Microwave Conference, Sendai, Japan, pp. 983-

985, 2014.

S. Zhang and G. F. Pedersen, “Mutual coupling

reduction for UWB MIMO antennas with a

wideband neutralization line,” in IEEE Antennas

and Wireless Propagation Letters, vol. 15, pp. 166-

169, 2016.

[45] A. Cihangir, F. Ferrero, G. Jacquemod, P. Brachat,
and C. Luxey, “Neutralized coupling elements for
MIMO operation in 4G mobile terminals," in IEEE
Antennas and Wireless Propagation Letters, vol.
13, pp. 141-144, 2014.

[46] Y. Wang and Z. Du, “A wideband printed dual-
antenna system with a novel neutralization line for
mobile terminals,” in IEEE Antennas and Wireless
Propagation Letters, vol. 12, pp. 1428-1431, 2013.

[47] S. Su, C. Lee, and F. Chang, “Printed MIMO-
antenna system using neutralization-line technique
for wireless USB-dongle applications,” in IEEE
Transactions on Antennas and Propagation, vol.
60, no. 2, pp. 456-463, Feb. 2012.

[42]

[43]

[44]

Adham Maan Saleh was born in
Mosul, Irag, in 1984. He received
the B.Sc. and M.Sc. degrees from
1 . Ninevah University, Irag in 2006
and 2012, respectively, all in Comm-
unications Engineering. Currently, he
is working toward the Ph.D. degree
from the School of Engineering and
Informatics, Bradford University, West Yorkshire, UK
He was a Lecturer at Ninevah University since 2012.
His current research interests include MIMO antenna
design, defected ground structures (DGS), neutralization

SALEH, NAGIM, ABD-ALHAMEED, NORAS, SEE: DUAL-BAND UNI-PLANAR MIMO SYSTEM

techniques for wireless and mobile systems, reflectarray
antennas, and multiband antennas techniques.

Tarig A. Nagem was born in
Mosul, Irag, in 1984. He received
the B.Sc. and M.Sc. degrees from
Ninevah University, Iraq in 2006
and 2013, respectively, all in Comm-
unications Engineering. He was a
Lecturer at Ninevah University since
2013. His current research interests
include MIMO antenna design, filters design, ultra-
wide band antennas (UWB) and multi-band antenna
techniques.

Raed A. Abd-Alhameed received
the B.Sc. and M.Sc. degrees from
Basrah University, Basrah, Iraqg, in
1982 and 1985, respectively, and the
Ph.D. degree from the University of
Bradford, West Yorkshire, U.K., in
1997, all in Electrical Engineering.
He is a Professor of electromagnetic
and radio frequency engineering at the University of
Bradford. He is the senior academic responsible for
electromagnetics research in the Mobile and Satellite
Communications Research Center, University of Bradford.

James M. Noras received the B.Sc.
degree in Physics and the Ph.D.
degree in Semiconductor Physics
from St.  Andrews University,
Scotland, in 1973 and 1978,
respectively, and the M.Sc. degree
in Mathematics from the Open
University, U.K., in 1995. He is a
Senior Lecturer in the School of Engineering, Design
and Technology at the University of Bradford, UK.
He is the Director of five internationally franchised
B.Eng. and M.Sc. courses in Electrical and Electronic
Engineering has successfully supervised 18 Ph.D.
students and is currently supervising the research of three
Ph.D. students. His main research interests are now in
digital system design and implementation, DSP and
coding for communication systems, and localization
algorithms for mobile systems.

Chan H. See received a first-class
B.Eng. Honours degree in Electronic,
Telecommunication and Computer
Engineering and a Ph.D. degree from
the University of Bradford, UK.
Since 2019, He has been appointed
as Associate Professor within the
School of Engineering and the Built
Enwronment Edinburgh Napier University. See is a

185



186 ACES JOURNAL, Vol. 35, No. 2, February 2020

Chartered Engineer and Fellow of the Institution of  (SMIEEE). He has an NVQ level 4 in Management from
Engineering and Technology (FIET) and Senior Member  the Chartered Management Institute.
of Institute of Electrical and Electronics Engineers



ACES JOURNAL, Vol. 35, No. 2, February 2020

A High-Gain Microstrip Patch Antenna Using Multiple Dielectric
Superstrates for WLAN Applications

Niamat Hussain !, Uktam Azimov !, Minjoo Jeong !, Seungyeop Rhee?,
Seung W. Lee?3, and Nam Kim "

! Department of Computer and Communication Engineering
Chungbuk National University, Cheongju, 28644, Republic of Korea
* namkim@chungbuk.ac.kr

2 Electronic Communication Engineering
Chonnam National University, Yeosu, 59626, Republic of Korea

3 Korea Electric Power Research Institute, Daejeon, Republic of Korea

Abstract — This paper presents the design and
characterization of a microstrip patch antenna with
multiple superstrates for performance enhancement
operating at the central frequency of 5.5 GHz for
high-gain WLAN applications. The performance of the
antenna in terms of reflection loss and the gain are
investigated using multiple high dielectric constant
superstrates of Taconic CER-10 (¢=10.2). Numerical
results showed that the patch antenna has -10 dB
impedance bandwidth of 2.54% which improves to
8.43% and 17.43% by employing a single and dual
superstrate, respectively. The gain of the antenna increases
from 6.1 dBi to 9.5 dBi using a single superstrate, which
further enhances to 13.6 dBi by placing two optimized
superstrates. Moreover, further increasing the number
of superstrates did not significantly impact on the
performance of the patch antenna. The final design of
the antenna (patch antenna with two superstrates) is
fabricated and measured. The measured results agree
well with the simulated results. Due to the good
impedance matching, high-gain and desired radiation
patterns compared to the other superstrate antennas,
this antenna is a good candidate for high-gain WLAN
applications.

Index Terms — Fabry-Perot cavity antenna, gain
enhancement, microstrip patch antenna, superstrate
antenna, WLAN.

I. INTRODUCTION
The wireless communication revolution is bringing
fundamental changes and updates to data networking,
telecommunication, and is making integrated networks
for future development. By freeing the user from the
cord, personal communications networks, wireless local
area networks, mobile radio networks, and cellular
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systems, harbor the promise of fully distributed wireless
computing and communications, anywhere and anytime.
Due to the development of information communication
technology, the wireless network uses various frequency
bands. The frequency bands are assigned based on the
technology, purpose, network size, and requirements of
the communication. For example, Wireless Local Area
Networks (WLAN) bands work with maximum 250 m
distance, with medium data rates and used in houses,
small offices, factories or corporation areas.

On the other hand, WLAN is mainly used not
only in industrial fields but also in every house, offices,
and public places. Its usability and application range
is expanding because it can be used conveniently
regardless of location compared to a wired network.
Being the key component of the communication
systems, the design of the antennas having the desired
characteristics has always been a challenge for the
antenna engineers. Microstrip patch antennas offer
advantages of low-cost, planar structure and easy design
and have been studied thoroughly in the literature [1].
However, these antennas have low gain which limits the
use of microstrip patch antennas in those applications
which require high gain. These low gain antennas are not
suitable for long-range communications and confined
spaces like corridors, streets, tunnels, and highways.
For the specific cases described above, high-gain and
directional antennas with low back radiations are needed.
Usually, microstrip antennas are coupled with extended
hemispherical dielectric lenses to achieve high gain,
especially at high frequencies [2, 3]. Lens-coupled
antennas undergo the disadvantages of fabrication
complexity and low radiation efficiencies [4]. On
the other hand, Fabry-Perot cavities [5], and the
metasurfaces/metamaterial [6-13] have also been used to
increase the gain of antennas. However, the metasurfaces
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unit cells need optimization of complex design having
huge design parameters. One of the famous and easy
methods to increase the gain is the use of superstrates, in
which one or multiple dielectrics and printed superstrates
are placed over an optimized distance from the patch
or basic radiator [14-29]. These superstrate antennas
are getting significant attention of researchers both in
microwave and millimeter waves owing to its intrinsic
advantages of low complexity, high-gain, and conformal
deployment ability.

In this paper, we proposed a microstrip patch
antenna with multiple dielectric superstrates to enhance
performance, especially the broadside gain at 5.5 GHz
for high-gain WLAN applications. The results show that
the impedance bandwidth and gain of the patch antenna
is increased using a single superstrate, which is further
increased using two superstrates. All the antenna designs
(patch antenna, a patch antenna with one superstrate,
patch antenna with two superstrates, and patch antenna
with three superstrates) are simulated using the finite
integration time-domain commercial simulator CST
Microwave Studio. A transient time-domain solver with
a hexahedral mesh type with an accuracy level of -45 dB
is used in the simulation setup. This solver enables the
complete far-field characterization of the antennas at
broadband frequencies at one simulation run. To ensure
the accuracy of the numerical results, the maximum
mesh type is set as one-twentieth of a free space
wavelength at 5.5 GHz.

I1. ANTENNA DESIGN

The geometry of the microstrip patch antenna is
shown in Fig. 1. The antenna is consisting of a full
ground plane and a microstrip patch, both of which are
patterned on Taconic TLY5 (& = 2.2, tand = 0.0009) due
to its low loss tangent and stable dielectric constant
values at high frequencies. The patch is fed by a 50-ohm
microstrip feed line. The optimized parameters of the
patch antenna are: A =50 mm, h, = 1.6 mm, px =19 mm,
py =18 mm, g = 4.25 mm, L =3 mm, ws = 1.5 mm, and
Ls =44 mm.

— Py
[ ——
=1

Fig. 1. Geometry of patch antenna: (a) front view and (b)
side view.
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The microstrip patch antenna is then coupled with
a high dielectric constant superstrate to increase the
broadside gain. Conventionally, an electrically thick
superstrate is utilized to focus the radiated field in the
broadside direction. Therefore, a planar slab of high
dielectric Taconic substrate (er = 10.2, tano = 0.0035)
having a thickness of hs = 1.6 mm is placed at an
optimized distance of ha, = 4 mm from the antenna, as
shown in Fig. 2. In this stage, only the parameters of
the superstrate (ha and hs) are tuned for optimum
performance, while all other parameters are kept
unchanged.

v
l s Jh
S tlt =10.2 T T
Foam uperstrate (,=10.2)
ha
z Substrate (£=2.2) l

L

Fig. 2. Side view of the patch antenna with a single
superstrate.

As the air gap is an important parameter in the
design of such antennas. The antenna impedance and
gain characteristics for the different values of superstrate
height (ha) from the patch antenna are shown in Fig. 3.
The superstrate height greatly impacted on antenna
performance. The gain and impedance of the antenna is
improved when the superstrate height is increased from
2 mm to 4 mm, however, further increasing the height
decreases the gain. Moreover, the impedance bandwidth
is shifted to the higher frequencies for the increment in
the air gap.

8
Gain (dBi)

=== h;=2mm
[ —— h=4mm
----- h;=6 mm

0 45 50 55 60 65 0 G 45 50 55 60 6% 0
Frequency (GHz) Frequency (GHz)

Fig. 3. Characteristics of patch antenna with single
superstrate for different values of superstrate height (h,):
(a) |S11] and (b) broadside gain.

The patch antenna with single superstrate antenna is
then modified by adding another identical superstrate for
further gain enhancement to make the antenna suitable
for high-gain WLAN applications, as shown in Fig. 4.
A few antenna parameters are changed to reoptimized
the antenna for two superstrates. The reoptimized
parameters are: hgy = 1.6 mm, ha =7 mm, and ha; = 10 mm,
while all other parameters remain the same.



The antenna characteristics in terms of |Si;| and
broadside gain of the antenna for the various separations
(ha1) between the two superstrates is shown in Fig. 5. A
separation of ha = 12.5 mm gave the best results for the
resonance at the desired frequency of 5.5 GHz with the
high-gain and wide impedance bandwidth. Similarly, the
antenna was optimized for three identical superstrates,
where a third superstrate layer was placed on the antenna
with two superstrates. The reoptimized parameters for this
antenna configuration are as: hs; = 1.6 mm, ha = 6.5 mm,
ha1 = 12, and ha; =7 mm (hs; and haz is thickness and air
separation of the third superstrate, respectively).

v
ha | ? ]

Superstrate#2 (g=10.2)

[ 4 ] hs
Superstrate#1 (£,=10.2) |

z Substrate (£,=2.2) l

==

Fig. 4. Side view of the
superstrates.
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Fig. 5. Characteristics of patch antenna for the separation
(ha1) between two superstrates: (a) |S11| and (b) gain.
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The antenna performance in terms of reflection loss
and gain is compared for all cases of the patch antennas
(a patch antenna with single superstrate, patch antenna
with two superstrates, and patch antenna with three
superstrates) is illustrated in Fig. 6. In summary, the
overall performance especially impedance bandwidth
and the gain of the patch antenna is improved using
multiple superstrates. The antenna achieved the optimum
performance for two superstrates. Further addition of
the superstrates (three superstrates) did not improve
the antenna performance. The detailed performance
comparison of antennas for different superstrates is
plotted in Table. 1. The antenna with two superstrates
has a high-gain of 13.6 dBi and a wide impedance
bandwidth from 4.8 - 6.1 GHz for |S11| < -10dB covering
the entire WLAN band. Compared to the patch antenna,
the gain of the proposed antenna with two superstrates is

HUSSAIN, AZIMOV, JEONG, RHEE, LEE, KIM: A HIGH-GAIN MICROSTRIP PATCH ANTENNA

increased 7.5 dBi, while impedance is increased almost
four times.

The radiation patterns of the antenna at 5.5 GHz for
three cases: antenna without substrate, antenna with one
substrate, and antenna with two substrates are shown in
Fig. 7. The radiation beam gets narrow with the addition
of superstrates to increase the gain of the antenna. The
half-power beamwidth of the patch antenna is around
70°, which decreases to 50° and 33° for the antenna with
one superstrate and two superstrates, respectively.

Gain (dBi)

O 25 50 55 60 65 0 %0 45 50 55 60 65 70
Frequency (GHz) Frequency (GHz)
= = = Patch antenna Antenna + two superstrates

------ Antenna + one superstrate = - = - Antenna + three superstrates

(@) (b)

Fig. 6. The performance comparison for antennas with
different configurations: (a) |S11| and (b) broadside gain.

Table 1: Performance comparison of antennas with
different number of superstrates

Antenna |Saa] Max. Gain
Configuration Bandwidth (dBi)
43 -5.57 GHz
Patch 5 3(2_22% )G 6.1
Patch + one 5.0-5.7GHz 95
substrate (13%) '
Patch + two 4.8-6.1 GHz 136
substrates (23.8%) '
Patch + three 4.8-5.91GHz 13.7
substrates (20.7%) '

xz-plane yz-plane

180

----- Patch antenna === == = Patch + 1 superstrate e PatCh + 2 superstrate

Fig. 7. Radiation patterns of the patch antenna for the
different number of superstrates.

To explain the radiation mechanism of gain
enhancement of the antennas using multiple superstrates,
we computed the E-field of the antennas. The E-field for
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each antenna configuration in xz-plane is plotted at the
central frequency of 5.5 GHz as depicted in Fig. 8. The
superstrate layer acts as a lens to focus the E-filed to
increase its intensity in broadside direction, thus the gain
of the patch antenna is increased for the increasing layers
of superstrates. Meanwhile, the E-field is almost the
same for the antennas with two and three superstrates.
Therefore, the gain did not increase for three superstrates
even though the superstrates layers were increased.

Patch + three
superstrates

Patch + two
superstrates

Patch + one

Patch onl
Y superstrate

-
e

s

Fig. 8. E-filed of the antennas at xz-plane.

It is noted that in this study, we analyzed the
performance of the patch antenna for the different
numbers of superstrate layers, however, the size,
thickness, and dielectric constant of the superstrate
layers remained the same. The antenna with multiple
superstrate layers, when the superstrate layers are
different from each other would be the topic of a separate
study in the near future.

IHl. MEASUREMENT RESULTS
The proposed antenna design that is the antenna
with two superstrates is fabricated to obtain the
measurement results. A fabricated prototype of the
proposed antenna is shown in Fig. 9.

Superstrate 2

-
Superstrate 1
=

Patch antenna

(@) (b) ©

Fig. 9. Fabricated prototype of the proposed antenna: (a)
Front view of the patch, (b) back view of the patch, and
(c) side view of patch antenna with two superstrates.

The simulated and the measured impedance |S1;| and
gain characteristics of the proposed antenna are shown
in Fig. 10. Simulation and measured results showed
that the antenna has an improved 10 dB impedance
bandwidth from 4.8 - 6.1 GHz (23.8%). In addition, the

ACES JOURNAL, Vol. 35, No. 2, February 2020

antenna achieved a higher gain of 13.6 dBi due to the
enhanced beam collimation of multiple superstrates.

The measured and simulation radiation patterns of
the antenna at 5.5 GHz at xz-plane (E-plane) and yz-plane
(H-plane) are shown in Fig. 11. The antenna produced a
symmetrical directional radiation pattern with low side
and back lobe levels at both principal planes. The beam-
width became narrow to increase gain and directivity.
With the aforementioned features of wide bandwidth,
high gain, and directive radiation patterns, the antenna is
a good candidate for the high-gain WLAN applications
at confined places including building corridors, tunnels,
and streets.
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Fig. 10. Characteristics of patch antenna with two
superstrates: (a) |S11| and (b) broadside gain.
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Fig. 11. The radiation pattern of the antenna with two
superstrates: (a) xz-plane and (b) yz-plane.



Finally, the antenna performance is compared with
the other superstrate antennas [18-25] in Table 2. In
general, it can be concluded that the proposed antenna
is offering wider bandwidth and high gain with the
additional advantage of smaller size compared to most
of the reference antennas, which verifies the worth of
the proposed design. Among the reference antennas,
only the designs presented in [19] and [21-22] has the
advantages of smaller overall size, however, these
antennas have narrow bandwidth and low-gain. Although
the antenna with two printed superstrate [24] offers a
high gain of 15 dBi, it has the disadvantages of complex
superstrate design as well as high antenna profile and
narrow bandwidth. Thus, the proposed antenna is
offering the advantages of simple design, smaller size,
wide-bandwidth, and high-gain.

Table 2: Performance comparison of the proposed
antenna with other superstrate antennas

Ref. Antenna Overall [Sul Max.
Antenna Size (Ao®) BW Gain
(%) (dBi)
[18] 5.28 x 5.28 x 0.6 5.28 11.95
[19] 0.67 x 0.5 x 0.53 3.14 10.3
[20] 2.06 x 2.06 x 0.83 3.0 12.8
[21] 0.88 x 0.88 x 0.07 15 8.4
[22] 0.67 x 0.67 x 0.14 3.14 7
[23] 16x1.2x0.8 3.7 12.86
[24] 25%x25x1.44 8.2 15
[25] 1.93x1.93x0.61 2.7 6.8
Proposed | 0.91 x 0.91x 0.36 23.8 13.6

1V. CONCLUSION

A patch antenna with multiple superstrates is
designed at the central frequency of 5.5 GHz for WLAN
applications. All antenna designs (patch antenna, a patch
antenna with single superstrate, patch antenna with two
superstrates, and patch antenna with three superstrates)
are analyzed numerically to explain the design procedure
and performance enhancement. Simulation and measured
results confirm that the antenna performance (gain and
|S11]) is improved by coupling patch antenna with one
superstrate which further improves using two superstrates.
The antenna shows the optimum performance for the two
superstrates, further increasing the number of superstrates
did not increase the antenna performance. Owing to its
wide bandwidth (23.8%) high-gain (13.6 dBi) and desired
radiation patterns the proposed antenna (antenna with
two superstrates) may find its usability in high-gain
WLAN applications.
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Abstract — With the increase in wireless services, the
demand for antennas that can operate at more than one
frequency has increased. This work proposes a slot
antenna whose frequency of operation can be configured
into three bands of 2.4 GHz, 5 GHz, and 3.5 GHz for
the Wireless-Area-Network (WLAN) and Worldwide
Interoperability for Microwave Access (WiMAX)
applications. The switching between the three bands is
achieved by two PIN diodes properly placed between
the two sides of the slot. The antenna consists of a
rectangular slot etched on the ground plane, while on the
other side of the substrate, there is a microstrip line to
feed the slot with an open stub for matching. The tri-band
frequency reconfigurable slot antenna has been studied,
and its parameters optimized using computer simulation
Technology (CST-MWS). Parametric study on the slot
dimensions and the microstrip feeding is presented.
For verification of the simulation results, the antenna is
fabricated and measured. The simulated and measured
parameters such as return loss, radiation pattern, and gain
show excellent agreement for the three operation bands.

Index Terms — PIN diode, reconfigurable antenna, slot
antenna, WLAN, WiMAX.

I. INTRODUCTION

The increasing development of  wireless
communications has led to diverse applications working
at various bands for lower spectrum congestion. Thus,
antennas that can operate at more than one frequency
are desired. A single wide-band antenna may fulfill
the requirement but on account of receiving more than
one frequency band at the same time and consequently
is prone to interference. A frequency reconfigurable
antenna that can be switched from one band to another
will be a better choice. Such antennas have received
attention due to their selectivity for operation and
attractive feature of using the spectrum. They can be
easily integrated with switching and control circuits
alongside providing a better reconfiguration. In addition
to covering more than one application, frequency
reconfigurable antennas are also governed by several
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factors such as; size, cost, and high data rate features. It
is attractive to integrate more than one standard into a
single wireless device, such as Worldwide Interoperability
for Microwave Access (WiMAX) and Wireless-Area
Network (WLAN) standards. Consequently, different
multi-band antennas have been proposed, such as the
dual-band monopole antenna for the WiMAX systems in
[1], the multi-band planar inverted-F antenna (PIFA) for
the wireless-wide-area-network (WWAN) system in [2],
the multi-band patch antenna having varied polarization
states in [3], and the dual-loop antenna for the 2.4/5.2/5.8
GHz bands in [4].

Various types of slot antennas have been designed
for the WLAN, WiMAX, and ISM applications in the
2.4 GHz (802.11 b/g/h), 5 GHz (802.11 a/n), and 3.5 GHz
(IEEE 802.16) operating bands. To achieve the above
goals, slots of various shapes were used, leading to
different bandwidth and gain characteristics [5-6]. The
slot antenna, with the advantages of compact size, wide
bandwidth, and easy integration with other devices, is a
good candidate for the design of multi-band antennas.

In the past years, different designs of multi-band
slot antennas have been proposed [7-16]. The dual-band
characteristics of the slot antennas were generated by
etching several narrow slots on the ground planes [7-8],
or several stubs on the large slot as in [9-10]. The tri-
band antennas in [11-12] and [13-14] were achieved
using three folded slots etched on the ground planes
or several stubs on the slots, respectively. In [15], a
compact tri-band split-ring resonator (SRR) loaded
slot antenna was proposed, which offers independent
frequency tunability for operation at WLAN and
WiMAX bands. In [16] the antenna is capable of being
switched between single-band, dual-band or triple-band
operation by incorporating three pairs of PIN diodes that
are located within the dipole arms etched on the ground
plane.

This work proposes a slot antenna whose frequency
of operation can be configured into three bands for
the WLAN and WiIMAX applications. The switching
between the three bands is achieved by two PIN diodes
properly placed between the two sides of the slot. Section

1054-4887 © ACES



I1 describes the proposed idea, while Section 111 presents
the results of the parametric analysis and optimization.
The obtained performance is compared with those of other
published works in Section IV. Finally, the conclusions
are listed in Section V.

I1. DESIGN OF THE SLOT ANTENNA

The geometry of the proposed tri-band frequency-
reconfigurable antenna is shown in Fig.1. The design
consists of a rectangular slot of length L and width W
etched on the ground plane, while on the other side of
the substrate, there is a microstrip line to feed the slot.
The feed length is Ls while the microstrip line extends
beyond the slot by S. This extension works as an open stub
that can be used to match the microstrip line to the slot.
The chosen substrate is FR-4 with thickness h=1.6 mm,
relative permittivity e, = 4.3, and dielectric loss tangent
of 0.025. The reconfigurability is achieved by properly
inserting two PIN diodes along the slot. By switching
these diodes between ON and OFF states, the antenna
operation can be switched between the three bands
(2.4 GHz, 3.5 GHz, and 5.3 GHz).

The radiating slot resonates at frequency f when its
length L is equal to an integer (N) multiple of half the
effective wavelength:

- de _ ¢
L—Nxz—Nx(zwg_). (1)

Where C is the speed of light and €, is the effective

permittivity inside the slot that is given by:
-0.5

— &l &l / 12h
ee—2+2<1+w> . (2)

The performance of the proposed antenna was
investigated using the Computer Simulation Technology
(CST-MWS) software, which uses the Finite Integration
Technique (FIT). This is a numerical simulation method
for approximation-free solutions of Maxwell's equations
in their integral form. The Time-Domain solver was used
to obtain the results. Parametric studies and optimization
using the built-in Trust Region Framework Algorithm
which is a numerical optimization for solving nonlinear
programming problems. The optimized parameters were
the length and width of the microstrip feed line and the
slot to obtain the dimensions that result in the best
performance.

A. The effect of slot length

Slot antennas relay on Babinet’s principle, which
relates the radiated field and impedance of an aperture,
of slot antenna to that of the field of a dipole antenna
[17]. The slot length plays a significant role in the
proposed design, as shown by (1) and (2). The length of
the slot L for the operation at 2.4 GHz frequency was
found to be 30.12 mm, and this initial value was then
optimized. Figure 2 shows the variation of the reflection
coefficient parameter (Si1) with frequency for various

YOUNUS, SAYIDMARIE: A TRI-BAND FREQUENCY RECONFIGURABLE SLOT ANTENNA

slot lengths, where it is seen that the resonance frequency
increases when the slot length is decreased. The best
value of the slot length for the 2.4 GHz WLAN operation
is 34.55 mm.

(@) (b)

Fig. 1. Configuration of the proposed antenna: (a) front
view and (b) back view.

- L=29 mm
L=31 mm
=—1=34.5534 mm
- L=35mm
=+ L=37 mm
1.5 2 25 3 3.5 4 4.5 5
Frequency/GHz

Fig. 2. Syvariation with frequency for various slot
lengths L.

B. The effect of slot width

As regards the suitable width of the slot, there is no
established design rule; thus, the parametric study is very
beneficial in this respect. Figure 3 shows the effect of
various slot widths, where it is clear that the resonant
frequency decreases slightly by increasing the slot width.
Larger bandwidth is also noticed for increasing the slot
width. Therefore, if the slot width is to be increased, the
slot length should be slightly decreased in order to keep
the resonance frequency at 2.4 GHz.

- W=1 mm
W=2 mm
=—W=3.135 mm
—W=5 mm
‘ ++W=8 mm
1 1.5 2 2.5 3 3.5 4 4.5 5
Frequency/GHz

Fig. 3. Syu1 variation with frequency for various slot
widths W, at L= 34.55 mm.
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C. Effect of the Open Stub

In order to match the antenna feedline to the slot, a
stub of length S has been added to the feed line. This
open-ended stub adds a reactive impedance Zs given by:

Zs= —j XZy X cot(BS). (3)
Where Z, is the impedance of the feedline and B =27/Ae.
Figure 4 shows the effect of varying the stub length.
Without the stub (S=0), proper matching (Si11 < -10dB)
cannot be achieved. Moreover, the resonance frequency
decreases by increasing the stub length.

The parametric study shows that the slot length,
width, and the stub length influence the design
parameters, and the simulation with the CST is a
useful tool to optimize the antenna dimensions. Table
1 shows the parameters of the designed antenna after
the optimization.

e —— T T T

= ST

- $=0 mm

=—S=1 mm

--8=3 mm

—S=5 mm

30 | ‘ | . ['+8=7 mm

1 1.5 2 25 3 3.5 4 4.5 5
Frequency/GHz

Fig. 4. Si1 variation with frequency for various stub
lengths S, at L= 34.55 mm.

Table 1. Parameters of the designed antennas, all
dimensions are in millimeters

Parameter Value
L 34.55
L: 22.27
Lo 14.77
Ls 44
La 34
S 1
W 3.14
Wi 3.14
W> 45

I11. DESIGN OF THE FREQUENCY
RECONFIGURABLE ANTENNA

The proposed antenna is wanted to operate at three
bands by switching the two diodes D, and D, shown in
Fig. 1. As mentioned in Section 11, the slot was designed
to resonate at 2.4 GHz by choosing its length according
to (1) and (2). Then, by inserting a PIN diode across the
slot edges, the slot can be divided into two adjacent slots
when the diode is switched ON and thus short-circuiting
the two sides of the slot. The positions of the two diodes
can be chosen to change the length of the slot and thus

ACES JOURNAL, Vol. 35, No. 2, February 2020

excite resonance at the required frequency, as it is
explained in the next section. Prototypes of the designed
antenna were fabricated, as shown in Fig. 5. In the testing
of the fabricated prototypes, the ON state of the PIN
diode was realized by placing a shorting copper strip of
width about 1.5 mm between the two sides of the slot.

G AL

@ (b)

Fig. 5. Photograph of the fabricated antennas: (a) resonate
at 2.4GHz, (b) resonate at 3.5GHz, and (c) resonate at
5.3GHz.

(©)

A. Case-1, operation at 2.4 GHz

When the diodes Dy and D, are in OFF state, the
antenna resonates at 2.4 GHz, since the full length of the
slot is radiating as shown in the previous section. Figure
6 shows the variation of the Si1 with frequency for this
case for both simulated and practical results, which
indicate good agreement. It is clear that the antenna
covers a bandwidth of about 290 MHz and has an Sy
value of better than -23.87 dB along the 2.45 GHz
WLAN band. Figure 7 shows the E-field distribution
across the slot of the antenna at 2.4 GHz, where a peak
is noticed at the center characterizing the 2 A resonance.
The radiation pattern of the fabricated prototype of the
antenna was measured at 2.4 GHz and compared to
that obtained from the simulation, as shown in Fig. 8.
Figure 9 shows the variations of the calculated radiation
efficiency and the total gain with frequency. The gain is
about 4.5 dB, and the efficiency is better than 90% across
the WLAN band.

0
s
310 v
”
20 |
== S11 Measured(2.4 GHz)
30 ==S11 Simulation(2.4 GHz)

1 1.5 2 25 3 35 4 4.5 5
Frequency/GHz

Fig. 6. Simulated and measured Si;1 variation with
frequency when the diodes D: and D, are in the OFF
state.



YOUNUS, SAYIDMARIE: A TRI-BAND FREQUENCY RECONFIGURABLE SLOT ANTENNA

p>  d

O 98 100

Fig. 7. Simulated E-field at 2.4 GHz (zooming on the
slot), the diodes D; and D; are in the OFF state.

30 330
60 300
90 270
120 240

150 210

180

-*=Measured ——Simulated

Fig. 8. Normalized simulated and measured radiation
patterns of the antenna at 2.4GHz, both diodes D1 and
D2 are in the OFF state.

100 .
L] 6
>' 90 L] .-.-ll.-.-l.---.
o 5
c 80 ;
.g \\ K
£ 70 )
: 3
. " Efficiency] 2
==Gain
50 - ]

1 2 3 4 5
Frequency in GHz

Fig. 9. Antenna gain and efficiency when the diodes D1
and D; are in the OFF state.

-10

=20 -

S11/dB

-30

[+ S11 Measured(3.5 GHz)
—S11 Simulation(3.5 GHz)

1 1.5 2 2.5 3 3.5 4 4.5 5
Frequency/GHz

-40

Fig. 10. Simulated and measured Si; variation with
frequency, when the diode D, is ON, and D, is OFF state.

B. Case-2, operation at 3.5 GHz

To achieve operation at the frequency of 3.5 GHz,
the slot length is reduced by switching the diode D; to
ON state while keeping the diode D; in the OFF state.
Thus, the position of the diode D, is found, such that
the left part of the slot has a length L= 0.5)¢ at the
frequency of 3.5 GHz. According to (1) and (2), the
length L; is found to be 22.275 mm. In this case, the right
part of the slot will have a length of 12.275 mm, and it
may resonate at 6.3 GHz. Figure 10 shows the variation
of the simulated and measured Si1; with frequency. It is
clear that the antenna operates at the WiMAX band of
3.5 GHz with a bandwidth of about 310 MHz and an Si;
value of better than -15 dB. Figure 11 shows the E-field
distribution in the slot of the antenna at 3.5 GHz, where
it is seen the % A distribution is across the left part of the
slot. The field at the right side of the slot exhibits small
values indicating no resonance. Figure 12 illustrates the
normalized simulated and measured radiation patterns of
the antenna at 3.5 GHz, where good agreement between
the two results is evident. Figure 13 shows the variation
of the radiation efficiency and the total gain with
frequency. The gain is better than 4.5 dB, and the
efficiency is about to 86% across the WiMAX band. The
maximum value of the gain is almost equal to that
obtained at 2.45 GHz since in the two cases the slot
length is 0.5 A, while the efficiency is slightly smaller
probably due to the loss in the shorting strip and the
increased loss in the substrate at the higher frequency of
3.5 GHz.

0 dB__ -100

Fig. 11. Simulated normalized E-field at 3.5 GHz
(zooming on the slot), the diode D; is ON, while D; is
OFF state.

0
30 2 330
60 300
90 270
120 240

150 210

180
\---Measured —Simulated\

Fig. 12. Normalized simulated and measured radiation
patterns of the antenna at 3.5GHz, the diode D is ON,
while D is OFF state.
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100 .
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§ 70 3
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Frequency in GHz

Fig. 13. Antenna gain and efficiency when the diode D
is ON and diode D, is OFF.

C. Case-3, operation at 5.3 GHz

To realize the operation at 5.3 GHz, there should be
a slot of smaller length compared to the two former
cases. When both of the diodes D1 and D, are switched
ON, then the slot will be divided into three parts. If the
part at the left is to resonate, then it should have a length
of L, = % e at the frequency of 5.3 GHz. According to
(1) and (2), L, was found to be 14.775 mm. Again, the
ON states of the two diodes were realized by placing two
strips between the two sides of the slot. Figure 14 shows
the Si11 parameter for this case for both simulated and
practical results, where the condition of (S11 < -10dB) is
insured across a bandwidth of more than 2000 MHz. The
measured results are few dB’s higher than the simulated
ones, but still, it is lower than -10B across the wanted
band. Figure 15 shows the E-field distributions in the
slot of the antenna at 5.3 GHz. The field intensity at the
left part is highest, and its distribution resembles a half-
sinusoid variation. This confirms that the left part of
the slot is resonating at 5.3 GHz. The field along the two
copper strips is minimal, showing the short-circuit action
of the strips. The normalized simulated and measured
radiation patterns of the antenna at 5.3 GHz are compared
in Fig. 16. Figure 17 shows the radiation efficiency and
the total gain in the 5.3 GHz band.

lllll..-.'l'l.-
Ll L T
AL T
LA

»+ 511 Measured(5.3 GHz)
=511 Simulation(5.3 GHz)

1 2 3 4 5 6 7

Frequency/GHz

Fig. 14. Simulated and measured S variation with
frequency when both diodes D1 and D2 are in ON state.
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DS

0 dB -100,

Fig. 15. Simulated E-field distribution in the slot
(zooming on the slot), the diodes D; and D, are ON.
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90 270
120 240

150
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180
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Fig. 16. Normalized simulated and measured radiation
patterns of the antenna at 5.3 GHz and both diodes are in
the ON state.
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Fig. 17. Antenna gain and efficiency when the diodes D
and D,=ON.

IV. COMPARISON OF OBTAINED
RESULTS WITH THOSE OF PUBLISHED
WORKS

The performance of the proposed antenna is
compared with other tri-band antennas that were
published for WiMAX and WLAN applications, as



shown in Table 2. The comparison comprised antenna
size, operation frequencies, and gain. The proposed
antenna matches the frequency bands of those presented
in [6], [18-21]. The table shows that, in general, the
larger gain is related to the larger size of the antenna in
terms of the effective wavelength. However, the
proposed antenna has a higher gain than most of the
shown antennas, while its size smaller than those of [6,
22, 25]. The size of the proposed antenna is basically
occupied by the ground plane. The antennas in [24, 25]
cover a frequency range extending to 0.9 GHz and 1.5
GHz, where it is easier to keep the characteristics of the
antenna, yet they offer lower gain compared to the
proposed antenna. One important characteristic of the
proposed antenna is its capability to switch its operation
among the three bands, where only those in [21-23] are
reconfigurable.

YOUNUS, SAYIDMARIE: A TRI-BAND FREQUENCY RECONFIGURABLE SLOT ANTENNA

V. CONCLUSION

A Tri-Band frequency reconfigurable slot antenna
for wireless WLAN and WiMAX applications has been
demonstrated. The design consists of a rectangular slot
etched on the ground plane, while on the back of the
substrate, a microstrip line feeds the slot. Two diodes are
placed at proper positions along the slot to achieve
reconfigurability by switching them into ON and OFF
states. The antenna can be switched to operate at any one
of three bands of 2.4, 3.5 and 5.3 GHz. The relation
between the band frequency and the position of the diode
is derived. A prototype of the proposed antenna was
fabricated and measured. The Sii, radiation patterns,
efficiency, and gain results are obtained for both
simulation and the prototype. The simulated and
measured parameters show excellent agreement for the
three operation bands, thus verifying the design rules.

Table 2: Comparison of the performance of the proposed antenna with other designs

Reference Dimensions in Dimensions in (ho) | Substrate Opergtion Gain
(mm) at the Lower Band (&r) Freguencies (GHz) (dB)
6 40%x45%0.8 0.46x0.52x0.001 2.55 3.5/4.1/5/6.4/16.8 | 4.3/4.3/4.4/5.5/5.3
18 26%20x1.6 0.2x0.16x0.012 44 2.4/3.5/5.8 2.24/2.8/2.6
19 35x30x%1.6 0.29x0.25x0.013 44 2.5/3.5/5.5 3.86/3.52/4.32
20 25%22x1.6 0.2x0.183x0.013 44 2.5/3.5/5.8 1.98/3.15/2.68
21 40%x40%1.6 0.32x0.32x0.012 44 2.4/3.5/5.3 2.4/3.3/3.2
22 80x80x1 0.64x0.64x0.008 44 2.4/3.5/5.8 2.33/3.14/2.89
23 58x40x1.2 0.42x0.29x0.001 44 2.2/ 2.413.8 4.213.7/4.7
24 100x65x1.6 0.3x0.195x0.004 44 0.9/1.8/2.6 0.25/0.6/3.28
25 120x60x1.6 0.6x0.3x0.008 44 1.5/2.4/5.8 0.16/2.62/2.04
This work 45%44x1.6 0.36x0.35x0.013 4.3 2.4/3.5/5.3 4.5/4.4/4.7
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Abstract — A novel omnidirectional circularly polarized

(CP) pagoda antenna with four shorting pins is presented.

In this structure, four curved branches are utilized to
generate horizontal polarization, while coaxial cable
and four shorting pins produce vertical polarization.
Omnidirectional CP radiation is achieved by combining
the radiation from the branches and the shorting pins.
The curved branches loaded with shorting pins reduce
the size of the antenna and the antenna is loaded with the
lower substrate with two coupling patches to improve the
bandwidth. The novel pagoda antenna is fabricated and
measured. Its final dimensions are 0.42A,*0.421,*0.334,

(A, isthe free-space wavelength at operating frequency).

The impedance bandwidth (S1:<-10dB) is 0.53GHz and
the axial ratio (AR) bandwidth (AR<3dB) is 0.95GHz,
which can be used for unmanned aerial vehicles’ diagram
transmission in China.

Index Terms — Circularly Polarized (CP), coupling patch,
curved branch, omnidirectional antenna, shorting pin.

I. INTRODUCTION

Omnidirectional circularly polarized (CP) antennas
have attracted more and more attention from experts
and scholars due to they widely used in wireless
communication, remote sensing and telemetry and
satellite communication systems. Omnidirectional antenna
can radiate electromagnetic wave in any direction in a
plane, which is suitable for multipoint simultaneous
communication and communication in uncertain position
during movement. The CP antennas can accept arbitrary
polarized wave, reduce multipath interference, and have
high polarization isolation. Having both advantages of
omnidirectional antenna and CP antenna, omnidirectional
CP antenna can meet the requirements of accurate signal
transmission of unmanned aerial vehicle (UAV) systems
and be used as its image transmission antenna, which can
effectively reduce the signal blind area and polarization
interference.

In recent years, many methods of realizing

Submitted On: December 9, 2019
Accepted On: February 23, 2020

omnidirectional CP antennas have been proposed, which
can be roughly classified into three categories. The first
method is circular polarized method of omnidirectional
antenna that a circular polarizer is loaded outside the
omnidirectional antenna. In [1], the omnidirectional CP
antenna is realized by using the parallelepiped medium
element with high dielectric constant to embrace around
the coaxial probe. In [2], the inner conductor is fed,
while the spiral groove is opened on the outer cylinder
conductor. The second method is element combination
[3-6], which uses the combination of CP antenna
elements to achieve omnidirectivity. In [3], circular open
rings loaded with parasitic rings are used as CP antenna
elements, and they are combined around cylinder to
attain omnidirectivity. In [4], a rectangular ring is used
as a CP antenna element.

However, omnidirectional CP antennas realized by
these two methods are generally large in size and have
high profile, which is difficult to install on small and
lightweight UAVs. In order to reduce the size and profile,
a third method is proposed, which combines the antenna
that generates the vertical polarized wave with the
antenna that generates the horizontal polarized wave [7-
15]. In [7], a broadband omnidirectional CP antenna was
proposed, in which two sets of dipoles were used to
generate omnidirectional CP waves. In [8], capacitive
feeding is used to widen the bandwidth of the antenna.
The antenna’s profile is greatly reduced, but the radius is
still large. In [9], planar sector-shaped endfire elements
are used to realize omnidirectional circular polarization
of the antenna, which further reduces the antenna profile.
V-shaped slot on the same principle was used in
omnidirectional CP antenna [10], which also makes the
size of the antenna even smaller. The profile and radius
of this kind of antenna are small, but the bandwidth is
too narrow to meet the actual needs.

Based on the comparison with the antenna
mentioned above, this paper proposes an omnidirectional
CP antenna suitable for UAV image transmission system.
The antenna‘s size is relatively small and has an adequate
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bandwidth to ensure the transmission of information.
Coaxial cable and four shorting pins are used to generate
vertical polarized waves, while four curved branches
are used to generate horizontal polarized waves. The
structure of curved branches loaded with shorting pins
are used to reduce the size of the antenna, and the
dielectric substrates at the bottom with two ring patches
are coupled to extend the bandwidth. Finally, the antenna’s
size is 0.42,*0.421,*0.33),. The impedance bandwidth
of the antenna (S11<-10dB) ranges from 5.56GHz to
6.09GHz, and the axial ratio (AR) bandwidth (AR<3dB)

is from 5.07GHz to 6.02GHz, effectively covering UAVS’

diagram transmission frequency in China at 5.8GHz.
The configuration, principles, simulation used by Ansoft
high-frequency structure simulator (HFSS) and results of
the antenna are described in detail in the following
sections.

II. ANTENNA CONFIGURATION

Figure 1 shows the configuration of omnidirectional
CP pagoda antenna. It consists of three dielectric
substrates with a thickness of 1mm, a radiant patch,
a reference ground, four shorting pins and four ring
patches. The radiation patch and ground plane are
located on the upper surface of the upper substrates and
the middle substrates respectively, the material of which
is FR-4 with the permittivity of 4.4 and the loss tangent
of 0.002. The radiation patch and ground plane each
contains four curved branches in opposite direction
connected by shorting pins at the end, which are
commonly used to reduce the size of antenna. The
coaxial cable is in direct contact with the radiation patch
for feeding. The inner conductor of coaxial cable and
shorting pins are both made of copper.

V/axz\‘radiation patch — ~ - 1mm
{/5" ~ N Hl_ T -
\‘f}cg/\\dlelecmc = J—
'/‘ '] substrate

shorting pin f H, H,

ground plane l coaxial cable

coupling ring "~ |l D

patche

feeding point
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Fig. 1. Geometrical configuration of the proposed antenna.
(a) Perspective view, (b) side view, (c) top view of the
upper substrates, (d) top view of the middle substrates,
and (e) top view of the lower substrates.

The curved branches loaded with shorting pin
reduce the size of the antenna, but the bandwidth is
relatively narrow. In order to improve the bandwidth for
better practicability, the antenna is loaded with the lower
substrate with two ring patches on the upper surface and
the lower surface respectively. The lower substrate with
two ring patches acts as a choking coil, similar to a metal
sleeve. Because it can be coupled with the radiation
patch to enhance the radiation intensity, the lower
substrate broadens both impedance bandwidth and AR
bandwidth. The parameters of the antenna are listed as
follows: Ri=11mm, R,=5.1mm, R3=10.9mm, Rs=9mm,
Rs=8mm, Re=6.9mm, R7=2.7mm, Rg=4.5mm, W;=1mm,
Wo=2.75mm, W,=0.82mm, W,;=0.9mm, L;=8.74mm,
Lo=5mm, Lz=3mm, H1=4.65mm, H,=17.09mm, Hz=24mm.

I11. PRINCIPLE AND METHODOLOGY
For omnidirectional CP pagoda antenna is understand
clearly, working principle and parameters analysis of the
proposed antenna are discussed in this section.

A. Omnidirectional CP property

CP waves are composed of two orthogonal linearly
polarized waves with a phase difference of 90°. According
to the duality principle, the electric field (E) in the far
field generated by the magnetic currents on the pagoda
antenna can be expressed as:

45 A A
E =0Eg + QpEy. (1)
It is found that when there are more branches,
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omnidirectivity of the antenna is better, as shown in Fig.
2. And the operating frequency is reduced as the increase
in the number of branches, which has the function of
miniaturization, as shown in Fig. 3. However, considering
the size of the antenna, four branches are finally chosen.
The four branch elements are arranged in sequence and
fed by coaxial cables, forming a clockwise current loop.
The end of each branch element is connected to the
ground plane by a shorting pin, that form a current path.
According to the boundary condition, the clockwise
current loop generates a vertical down magnetic pole

(J =7 x H), which forms a horizontal polarization
component, the E, field. The radius of the current
loop is Ry. The far field of the current loop E, can be
expressed as [16]:
A
E, =182 1 (BR, sin 6)¢. @

Where [I] represents the magnitude of current on the
loop, w is the operating frequency, u, is the free-
space permeability, J; is Bessel's first order function,
B is the propagation parameter of space and r is the
distance between the antenna and the measuring point.

Vertical polarized waves are generated by coaxial
cable and four shorting pins, which act as electrodes.
What is more, the vertical polarized waves produced by
the electrodes are omnidirectional. The height of the
shorting pin can be seen as Hi. Its far field E4 can be
expressed as [16]:

A
Eg =" 0 sin g 0. (3)

Based on (2) and (3), it is noted that as long as
the current [I] through coaxial cable, curved branch
and shorting pin is uniform, there will be a 90° phase
difference between the vertical polarized component and
the horizontal polarized component. The CP radiation
pattern will be generated when the magnitude of E, and
E4 are adjusted to be equal. As shown in the Fig. 4,
it can be found that the current passing through does
not change its direction in one time. Therefore, two
polarization components exist 90° phase difference to
each other in the far field. Due to the compact structure
of the antenna, two polarization components have the
same amplitude and orthogonal to each other in space at
the same time. Finally, the omnidirectional CP pagoda
antenna is realized in theory.

Ant2 Ant3

Antl

Fig. 2. Three improved prototypes of the proposed antenna.
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Fig. 3. Simulated |S11| of Ant 1, Ant 2 and Ant 3.

Fig. 4. Current distribution of the proposed antenna at
5.8GHz.

B. Parametric study and analysis

Curved branch can change the path of current,
effectively reducing the size of the antenna. The length
of the branches is approximately determined by:

B4 L+t +Rs = A )
Where A is the operating wavelength. As shown in Fig.
5, the radius of the curved branch is much smaller than
that of the straight branch by adjusting the width of the
branches when the current passes through the same
length.

The shorting pin at the end of the branch not only
supports the upper and middle dielectric substrates,
but also miniaturizes the antenna. The two ends of the
radiation patch are open, and there must be zero potential
points in the standing wave. Loading shorting pin at
zero potential points, the original state of standing wave
will be made from open circuit to short circuit state,
equivalent to make A/2 to A/4 harmonic resonance. The

antenna size (R) can be approximately calculated by [17]:

A c

R = 3 4x [Eeqxf’ ®)
H,{+H.

€oq = Ty ()

&r  Eqir
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Where c is the speed of light in vacuum, and ¢, is the
equivalent dielectric constant of multilayered substrate.
Figure 6 compares the S parameters of antenna with
shorting pin and without shorting pin. As can be seen
from Fig. 6, the impedance characteristic of the antenna
with shorting pin is obviously better than that without
shorting pin, and the resonant frequency of antenna
reduces, thus achieving the miniaturization. Therefore,
the antenna size is reduced due to the curved branch
loaded with shorting pin.

Fig. 5. Radius of (a) curved branch and (b) straight
branch.

N\
\
\ II
b
\)
-20+
= =Without shorting pin
_on —— With shorting pin

4.8 5.0 52 5.4 5.6 58 6.0 6.2 6.4 6.6 6.8
Frequency(GHz)

Fig. 6. Simulated |S1,| of the proposed antenna with and
without shorting pins.

The lower substrate with two coupling patches can
adjust the resonance point and enlarge the bandwidth
of the antenna. Figure 7 shows the comparison of S
parameters and AR bandwidth of antennas with and
without the coupling patches. It can be seen that the
impedance bandwidth and AR bandwidth of the antenna
both increase after the coupling patches loaded.
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Fig. 7. Simulated (a) |S11| and (b) AR of the proposed
antenna with and without coupling patches.

The coupling strength is affected by two factors [18],
one is the distance between the upper substrate and the
middle substrate Hs, the other is curved branch arc width
of the radiation patch Wa. Figure 8 shows the influence
of the distance Hi on the operating frequency of the
antenna. It can be seen from Fig. 8 (a) that when the
distance Hi decreases, the resonant frequency of the
antenna increases, while Fig. 8 (b) shows that AR points
shift towards higher frequency. Figure 9 shows the
effect of the width Wa. Figure 9 (a) shows that when
W, decreases, the S-parameter curves of the antenna
decrease while Fig. 9 (b) shows that the AR values have
no obvious changes.
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Fig. 9. Simulated (a) |S11| and (b) AR of the proposed antenna with different Wa.

IV. EXPERIMENTAL RESULTS

In order to validate the proposed method, the
antenna is fabricated, as shown in the Fig. 10. The
antenna weighs only 4 grams, which makes it more
suitable for UAVs diagram transmission because it's
light enough. The measurements were implemented by
an Agilent E8363B network analyzer and a far-field
system in anechoic chamber.

Simulated and measured S parameters of antenna
are shown in Fig. 11 (a). It can be seen that the measured

S parameters agree with the simulated values well. The
measured bandwidth of the antenna (S11<-10dB) is
0.64GHz, from 5.56GHz to 6.21GHz, equivalent to 11%
at 5.8GHz. Figure 11 (b) shows simulated and measured
AR bandwidth of antenna. The AR bandwidth (AR<3dB)
is 0.9GHz, from 5.10GHz to 6.00GHz, equivalent to
15.5%. It can be found that the overlapped bandwidth of
Impedance and AR from 5.56GHz to 6.00GHz covers
the UAVs diagram transmission frequency of 5.8GHz in
China.
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antenna in the azimuth plane (6 =90°) at 5.8GHz. It can
be seen that there are some small differences between
the simulated and measured values due to fabrication
errors. From the figure, when it is simulated, the ARs
fluctuate within 1dB. The measured ARs are slightly
higher than the calculated results in all directions, but
they are all less than 3dB in the plane, the ripple of which
is 0.7dB. Both the simulated and measured values meet
the requirement of circular polarization, which indicates
that the antenna has good CP characteristics at 5.8GHz.

— Simulation
— = Measurement

Fig. 10. Photograph of the fabricated antenna.

Simulation
= — Measurement

/\

0 T T T T T T T T T
4.8 5.0 52 5.4 56 58 6.0 6.2 6.4 6.6 6.8

Frequency(GHz) Fig. 12. Simulated and measured AR of the CP antenna
@ in the azimuth plane (6 =90°).

Simulation

I | — = Weasurement The simulated LHCP gain at 5.8 GHz is 1.12 dBic.
! Figure 13 shows the measured and calculated radiation
,' patterns of the proposed antenna at 5.8 GHz in the
|
|

azimuth (xy plane) and elevation (xz plane) planes,
respectively. In xy plane, both the simulated and
measured values of left-hand circularly polarized
(LHCP) fluctuate around 1dB, while the simulated and
measured values of right-hand circularly polarized
(RHCP) are less than -15dB. In xz plane, it also can be
seen that the results of the simulated and measured agree
well with each other, and the level differences between
the RHCP and LHCP are more than 15dB, that indicates
the antenna is LHCP and has good omnidirectivity.

Axial ratio(dB)

0

I I
48 5.0 52 54 56 58 60 62 64 6.6 6.8 In order to show the advantage of the antenna, Table
Frequency(GHz) 1 compares the omnidirectional CP pagoda antenna with
(b) existing antennas in bandwidth and dimensions, from

which the overall advantage of the novel pagoda antenna
Fig. 11. Simulated and measured (a) |S11| and (b) AR of can be seen. Compared with the existing antenna, the
the fabricated prototype. overall size of novel pagoda antenna proposed is more
advantageous. For the same size, the bandwidth is wider

Figure 12 shows simulated and measured AR of the than that of the compared antenna.
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180
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Fig. 13. Simulated and measured radiation patterns in (a) azimuth (xy plane) and (b) elevation (xz plane) planes at

5.8GHz.

Table 1: Performance comparison of reported omnidirectional CP antennas with existing antenna

Ref. Dimensions (4,) Imp. Bandwidth (%) | 3dB AR Bandwidth (%) | Usable Bandwidth (%)
[7] 1.6314%1.631(%0.284, | 21.60 25.3 21.60
[9] 0.621,%0.624,%0.0294, | 3.97 - 3.97
[10] 0.5214(%0.521,%0.0261, | 3.50 - 3.50
[15] 0.242,%0.242,%0.121, | 3.90 7.5 3.90
This
0.421,%0.422,%0.331, | 9.00 16.4 9.00
work

V. CONCLUSION

Anovel omnidirectional RHCP antenna is presented
in this letter. The novel pagoda antenna loaded with the
shorting pin and the lower substrate with two coupling
patches achieves miniaturization in size with adequate
bandwidth. The principle and experiment of the antenna
are discussed in detail above. Finally, the impedance
bandwidth of novel pagoda antenna is 0.53GHz, AR
bandwidth is 0.95GHz and usable bandwidth is 0.53GHz,
which can cover the UAVs diagram transmission
frequency of 5.8GHz in China. With the final dimensions
of 0.422,*0.421,*0.332,, the antenna has advantages
compared with the existing antennas. At the same time,
it can be found that the AR bandwidth of the antenna is
wider than the impedance bandwidth, which provides
a potential for the following research. Impedance
bandwidth can be further broadened to achieve
miniaturized broadband omnidirectional CP pagoda
antenna.
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Abstract — This paper presents a high-efficient wideband
transmitarray antenna with vias. The transmitarray
element consists of two layers of Jerusalem cross patches
and four metal vias. Two Jerusalem cross patches are
printed on both sides of the substrate and are connected
by four symmetrical metal vias. The metal vias can
improve the coupling strength between the two patches.
By adjusting the size of the patch and the position of the
metal vias, the transmission phase of the element is
greater than 360°. Then, an transmitarray antenna consists
of the proposed elements is designed, manufactured, and
measured. The experiment results show that the
maximum gain of the transmitarray antenna is 25.7dB,
and the corresponding aperture efficiency is 46.6%. The
measured 1-dB gain bandwidth is 14.9% (8.7GHz-
10.1GHz).

Index Terms — High-efficient, transmitarray antenna,
wideband.

I. INTRODUCTION

In recent years, planar array antenna has attracted
more and more attention due to its light weight and easy
installation. The planar array antenna includes the
reflectarray antenna (RA) and the transmitarray antenna
(TA). Compared with the RA [1-3], the feed horn of the
TA and the transmitted wave are not on the same side, so
it has higher aperture efficiency and lower side lobe.
However, the bandwidth of the TA is narrow.

In order to improve the broadband characteristics of
TA, scholars have proposed a variety of methods [4-12].
In [4], a four layers TA using double split-ring slot is
presented. The 1-dB gain bandwidth of the TA is 7.4%
and the aperture efficiency is 55%. [5] presents a four
layer TA using a double square ring as the element. It has

Submitted On: December 8, 2019
Accepted On: December 31, 2019

7.5% 1-dB gain bandwidth. [6] using triple-layer spiral-
dipole to realize the 360° transmission phase, but the
transmission amplitude of the TA element is less than
-4dB. In [7], a triple-layer TA without substrate is
proposed. The proposed TA realized 15.5% 1-dB
bandwidth and 55% efficiency. In [8], a novel TA
element based on bandpass filter is designed. The TA
element consists of two triple-layer frequency selective
surfaces. Experimental results that the TA has 16% 1-dB
gain bandwidth and 60% aperture efficiency. Other
studies on transimitarray antenna is proposed in [9-12].
[13-17] are metasurface application on antenna array and
MIMO antennas. From the above report, in order to
improve the bandwidth of the TA, it is necessary to use
the multi-layer patch to realize the 360° transmission
phase and desired transmission amplitude. That will
results to higher processing costs and increased
installation complexity.

In this paper, a double-layer high-efficient wideband
transmitarray antenna is present. The transmitarray
element consists of two layers of Jerusalem cross patches
and four metal vias. The metal vias are used to improve
the internal coupling of the TA element. The structure of
the article is as follows: Section I is the introduction of
transmitarray antenna. Section 1II is the design and
simulation of the TA element. To verify the validity of
the proposed element, a transmitarray antenna is
designed and measured. The transmitarray prototype and
measurement results are given in Section Il1. Section IV
is the summary of the whole design.

1. DOUBLE-LAYER TRANSMITARRAY
ANTENNA ELEMENT DESIGN

A. Element structure
Figure 1 is a plane geometric model of the proposed

1054-4887 © ACES



TA element. The purpose of the TA element design is to
realize the transmission phase of 360° with the least
number of patch layers. The TA element consists of two
Jerusalem cross patches. The dielectric constant of the
substrate is 2.2 and the tangent of loss angle is 0.0009.
Four symmetrical metal vias are used to connect the two-
layer of patch. The metal vias are made of copper. Two
layers of patches are printed on both sides of the
substrate. The role of the metal vias are improve the
internal coupling of the TA element.

[

@

Pauch
Via

Patch

Tg,
(b)

Fig. 1. Geometric model of the TA element: (a) vertical
view and (b) lateral view.

/! FloquetPort
i
1 Slave——>
1 TA element
! - elemen
: &

1
A
€~~~ Master

loquePort2

Fig. 2. The TA element simulation settings.
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Table 1: Design parameters of the TA element

Parameter Value

P 17mm

W 1.5mm

L 2~9mm

S L+3.5mm
R1 1.55mm
R, 0.6mm

H 4dmm

Ansoft HFSS is used to simulate and optimize
the proposed element. In order to simulate the
electromagnetic characteristics of elements in infinite
period arrangement, the master-slave boundary is adopted.
Because of transmitarray antenna needs to consider both
transmission and phase shift characteristics, two
Floquet-port excitations need to be set, as shown in Fig.
2. Figure 3 is the transmission characteristics of TA
element with different structure parameters. As shown in
(a), the thicker the substrate, the better the linearity of the
phase shift curve. But the increase in the substrate
thickness will lead to the reduction of the radiation
efficiency of the TA. Therefore, the substrate thickness
is 4mm. In order to avoid the generation of grating lobe,
the TA element period is generally greater than 0.5X. As
shown in (b), when P=17mm (0.53}), the phase shift
curve is the most linear. It is can be seen from (c) and (e)
that, the size and position of the metal vias have little
effect on the linearity of the phase shift curve. In (d) and
(f), it can be concluded that the size and position of the
metal vias have a great influence on the transmission
performance of the TA element. After a series of
parameter optimization, the geometric dimensions of the
element are shown in table 1.

B. Element transmission characteristic

The transmission amplitude and transmission phase
versus L of the proposed TA element is shown in Fig. 4.
As shown in this figure, the transmission phase of the
element is greater than 360°. Within the range of 360°
phase shift, the transmission amplitude of the element is
always greater than -3.5dB. By adjusting the size of the
TA element, the phase shift curve is parallel in a wide
frequency band, which widens the frequency band width
of the transmission array antenna. The transmission
phase curves of the TA element at different frequencies
are shown in Fig. 5. It can be seen from the figure that
the transmission phase curves of different frequencies
are approximately parallel. Therefore, the designed TA
element has broadband characteristics. In order to
observe the aperture efficiency of the TA element, the
current distribution on the surface of the element is
shown in the Fig. 6. As can be seen from the figure, the
element surface current distribution is relatively uniform,
so the TA has high efficiency. In addition, the current at
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the element edge is weak, which can reduce the coupling
between the TA elements and improve the gain of the TA.

Since most of the TA elements are irradiated by
oblique incident electromagnetic waves, the oblique
incident characteristics of the element must be
considered when designing the element. 6 and ¢ are the
angles of the incident wave with Z-axis and X-axis,
respectively. Figure 7 shows the transmission amplitude
and phase of the TA element at different incident angles.
As shown in this figure, within the range of 15°, the
transmission phase of the cell is always greater than 360°,
and the corresponding transmission phase is greater than
-3.5dB.

Phase(Degree)

Phase(Degree)

L(mm)
(b)

- - R1=1.5mm
—— R1=1.55mm
- Ri1=1.6mm

-100
-150
-200 |
-250 F

Phase(Degree)

-300 |

-350
2

L(mm)
(c)

ACES JOURNAL, Vol. 35, No. 2, February 2020

]
o - ;I
= By
@ ! - - R1=1.5mm
g 3r W — R1=1.55mm
= (WA —. R1=1.6mm
g v
< [ u
st
'|l
6 1 .
2 3 4 5 6 7 8 9
L(mm)
o (d
OF
- - R2=0.5mm
S0F — R2=0.6mm
D 100} - R2=0.7mm
-
& 150}
o)
S—r
o 200}
@©
T 250}
300}
-350 L
2 3 4 5 6 7 8 9
L(mm)
©)
0.0 r
05

i - = R2=0.5mm
<! —— R2=0.6mm
L} - R2=0.7mm
Ll

Amplitude(dB)
Ad oo NN A A

A
o

L(mm)
6

Fig. 3. The transmission characteristics of TA element
with different structure parameters (9.5 GHz), (a)
transmission phase of different substrate thickness
(P=17mm, R;=1.55mm, R,=0.6mm), (b) transmission
phase of different element periods (H=4mm, R;=1.55mm,
R»=0.6mm), (c) transmission phase of different metal
vias location (H=4mm, P=17mm, R,=0.6mm), (d)
transmission amplitude of different vias location
(H=4mm, P=17mm, R.=0.6mm), (&) transmission phase
of different vias size (H=4mm, P=17mm, R1=1.55mm),
and (f) transmission amplitude of different vias size
(H=4mm, P=17mm, R1=1.55mm).
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Fig. 6. The current distribution of the TA element.

C. Metal vias
Four vertical metal vias are placed symmetrically
between the Jerusalem cross patches, they create a strong
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coupling between the two patches. The four metal vias
can be used as an additional coupling structure, which
can reduce the number of patch layers of the TA element.
The decrease of the number of patch layers will result
in the decrease of transmission amplitude and phase.
Currently, no TA element with only two layers of patches
can achieve 360°'s transmission phase and desired
transmission amplitude [18].
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Fig. 7. Transmission characteristics of the TA element at
different incident angles: (a) transmission amplitude, and
(b) transmission phase.

Figure 8 is the transmission characteristic curve of
the TA element without metal vias. It is obvious from the
figure that the transmission amplitude is very small and
the transmission phase is less than 360°. This is because
the coupling between the upper and lower Jerusalem
cross patches is weak. Therefore, it can be concluded that
the introduction of metal vias can reduce the number of
patch layers and improve the transmission performance
of the TA element.
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0 is shown in the Fig. 10, Tx is the transmitting horn and
5 Rx is the receiving horn. The polarization modes of Tx
and Rx are vertical polarization, the center of Tx, Rx and
TA is aligned, which can ensure the effectiveness of the
test system. The distance from Tx, Rx and TA to the
201 ground is 1.5 meters, the distance between Rx and TA
251 is 3 meters. The simulated and measured normalized
-30 1 radiation patterns at 9.5GHz is shown in Fig. 11. In Fig.
351 11 (a), the sidelobe level and the cross-polarization of the
i i i i i i E-plane radiation pattern is 17dB and 37dB, respectively.
2 3 4 5 6 7 8 9 In Fig. 11 (b), the sidelobe level and the cross-
L(mm) polarization of the H-plane radiation pattern is 16dB and
(@) 36dB, respectively. The simulated and measured gain
200 versus frequency is shown in Fig. 12. The measured
150+ maximum is 25.7dB at 9.5GHz and the corresponding
aperture efficiency is 46.6%. The measured 1-dB gain
bandwidth is 14.9%. The measured maximum gain is
0.33dB lower than the simulated maximum gain. There
are two main reason: 1. There is an error in the size of
the patch during processing, which will result in an error
between the theoretical phase compensation value and
the actual phase compensation value, resulting in an
increase in sidelobe and a decrease in gain. 2. The phase
center of the horn is not stable.
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Fig. 8. Transmission characteristic of the TA element -100 § 50
without metal vias: (a) transmission amplitude, and (b)
transmission phase. -50 -100
B )
I11. DOUBLE-LAYER TRANSMITARRAY E of 150
ANTENNA DESIGN AND MEASUREMENT - 200
A. Design of the TA 507 -250
To verify the validity of the proposed TA element, a
transmitarray antenna working at 9.5GHz is designed. 100 | i -300
The transmitarray antenna consists of 15x15 TA elements o : . . .
and the dimension size is 255mmx255mmx4mm. The -100  -50 0 50 100
focal length is 400mm and the corresponding focal X(mm)

diameter ratio is 1.57. Focal length is the distance from
the feed to the transmitarray. Once the position of the Fig. 9. Transmission phase distribution.
feed is determined, the compensation phase of the TA
element can be calculated by formula [19]. Figure 9
is the compensated phase distribution diagram of the
transmitarray. The value of L corresponding to the
compensation phase can be obtained from Fig. 4. As the
value of L is obtained, the size of each TA element in the
transmitarray can be determined. The feed of this design
is a wideband pyramidal horn. The aperture dimension
of the pyramidal horn is 187mmx60mm. The operating
frequency of the horn is 8GHz-11GHz and its gain at
9.5GHz is 16dB.
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B. Experimental results
The TA prototype was measured in a microwave
anechoic chamber at Xidian University. The test system Fig. 10. The test system in microwave anechoic.
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Fig. 11. The simulated and measured normalized radiation
patterns at 9.5GHz: (a) E-plane and (b) H-plane.
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Fig. 12. The simulated and measured gain versus
frequency.

Table 2 shows the performance comparison between
the proposed antenna and other antennas. It can be
concluded from the table that the proposed TA has the
advantages of high efficient and broadband with only
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two layers of patches compared to the published antenna
in [4], [12], [20-21].

Table 2: The comparison between the proposed TA and

other published TA
Ref. |Freq. | Numbers of | Gain | Aperture | 1dB gain
(GHz)| Layers (dB) | Efficiency |Bandwidth
(%) (%)
[4] | 125 4 18.9 20.9 9.6
[12] |13.58 3 23.9 55 7.4
[20] | 6.1 3 20.1 27 8.3
[21] | 10 3 21.9 36 4
This | 9.5 2 25.7 46.6 14.9
work

1IV. CONCLUSION

In this paper, a double-layer high-efficient wideband
transmitaray antenna with vias is designed and measured.
The designed transmitarray element consists of two-
layer Jerusalem cross patche and four metal vias. The
introduction of metal vias could effectively improve the
transmission performance of the element. After a series
of design and simulation, a transmitarray antenna
consisting of 255-element is fabricated and measured.
The measurement and simulation results are basically
consistent. The measured maximum gain is 25.7dB at
9.5GHz and the corresponding aperture efficiency is
46.6%. The 1-dB gain bandwidth of the transmitarray
antenna is 14.9% (8.7GHz-10.1GHz). Since the designed
element has only two-layers patch, the complexity of the
design can be simplified and the production cost can be
reduced.
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Abstract — A quad-ridged horn antenna with dielectric
loading covering the 0.6 GHz to 4 GHz band is proposed.
Through the comprehensive design of differential
feeding, a quad-ridged flare and loaded dielectrics, the
feed antenna can be used to match a reflector with a large
illumination angle of approximately 150 degrees. In the
working band, the reflection coefficient is less than
-8 dB, the isolation is larger than 40 dB, and its cross-
polarization discrimination is larger than 31 dB for both
polarizations. To verify the simulations, a prototype is
fabricated and measured, and the measurements are in
good agreement with the simulations. A reflector with a
diameter of 33 meters and a focal diameter ratio of 0.33
is adopted to analyze the in-dish performance of the feed.
The simulated results show that an average efficiency of
55.16% is realized and that the problem of the efficiency
decrease caused by beamwidth narrowing at high
frequencies is solved.

Index Terms — Dielectric loading, differential feed,
quad-ridged horn, reflector antenna.

I. INTRODUCTION

Radio astronomy uses radio telescopes to study the
phenomena of the universe. The performance of the
antenna, the signal-receiving component of a radio
telescope system, will dramatically influence the
performance of the whole system.

Antennas on radio telescopes can be generally
divided into two kinds: the single reflector antenna and
the synthetic aperture antenna. The former is usually a
large aperture reflector antenna, which mainly relies
on structural technology and has the advantage of an
easy replacement of the feed. The latter uses a reflector
antenna or an array antenna as a unit to form the synthetic
aperture radio telescope, which mainly relies on the
numerical processing of a large amount of observation
data. For example, the Effelsberg 100-m radio telescope,
the Five-hundred-meter Aperture Spherical Telescope
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(FAST), the Shang Hai Astronomy Observatory (SHAO)
65-m radio telescope and the Parkes 64-m radio telescope
all adopt the single reflector antenna system. Meanwhile,
the Very Large Array (VLA), the Australia Telescope
Compact Array (ATCA) and the Australian Square
Kilometer Array Pathfinder (ASKAP) employ the
synthetic aperture system. However, they are usually
unable to meet the hardware requirements for a synthetic
aperture radio telescope at this stage. For instance, the
computation ability required by SKA is expected to
be satisfied in one or two decades. Therefore, radio
telescopes currently rely mainly on the single reflector
antennas for observation.

For the best feed of the reflector antenna, the
characteristics across the working band should be as
follows: 1) dual-polarized operation, 2) good match, 3)
high isolation, 4) low cross-polarization level, and 5) a
nearly constant beamwidth.

Specifically, there are several kinds of feed for radio
telescopes, such as a horn antenna, a phased array
antenna, a log-periodic antenna and an eleven feed. In
these feeds, the phased array has a flexible beam
scanning capability, but its structure and feeding network
are often complex, and the working bandwidth is usually
not wide enough to cover a several octave band, such as
the phased array feed used in the ASKAP [1, 2] and
FAST [3, 4]. The log-periodic antenna used in ATA
[5] and its deformation-eleven feed [6, 7] all have the
problems of being difficult to match at low frequencies,
to refrigerate and lacking structural robustness. Horn
antennas are widely used as feeds for radio telescopes
with the merits of a stable structure and easy regulation
of electrical performance, such as the feed for the
Goddard Geophysical and Astronomical Observatory
(GGAO) 12-m radio telescope in the US, [8], the Parkes
64-m radio telescope in Australia [9] and the Effelsberg
100-m radio telescope in Germany [10, 11].

The 110-m Qi Tai Telescope (QTT), which is under
construction in northwest China. It covers the 150 MHz
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to 110 GHz observation band, and will soon become the
largest fully steerable radio telescope in the world. The
most difficult design of its feed group is the one covering
the 0.6-4 GHz band, and needs to illuminates the main
reflector with a diameter of 110 meters and a focal
diameter ratio of 0.33 to receive the pulsar signal
[8]. Combined with the previous discussion, the horn
antenna is chosen as the feed for this band.

Typically, the horn antenna can be divided into the
single-mode smooth-walled horn, the hybrid mode
horn, the ridged horn or the lens horn. The single-mode
smooth-walled horn has the simplest and most reliable
structure [12]. However, due to the single-mode
limitation, it has a relatively narrow working bandwidth
of approximately 20% with inconsistent E and H planes
in the radiation pattern. To solve the latter problem, the
hybrid-mode horn antenna is presented, which can excite
a certain proportion of the TM11 mode for a conical horn
or the TE12/TM12 mode for a pyramid horn to compensate
for the asymmetry of the dominant mode on the pattern.
The hybrid horn can be divided into smooth-walled
multisection [13], corrugated [14], dielectric-loaded
[15] and metasurface-loaded [16] types. However, the
hybrid-mode technology can only broaden the working
bandwidth to approximately 2.2 octaves, which is far
from the required 6.7 octaves. In addition, the inconsistent
beamwidths of the horn antenna in the high and the low
frequencies are not instrumental in the high efficiency
illumination of the reflector. A lens horn antenn modifies
the field distribution on the antenna aperture by loading
the dielectric [17] or metasurface [18] to enhance the
gain of the main radiation direction. Although the lens
loading technology does not help broaden the working
bandwidth of the horn antenna, it is a good solution for
solving the beamwidth inconsistency problem for high
and low frequencies.

Through the capacitive loading of the ridge, the
cutoff frequency of the dominant mode for a ridged horn
is lowered, and then the working band is expanded. To
meet the requirements of a dual-polarized operation, a
quad-ridged horn antenna should be adopted. However,
the traditional quad-ridged horn antenna suffers from
the efficiency decreasing at high frequencies due to the
inherent narrowing of the beamwidths [8]. To solve this
problem, dielectric loading technology is applied to the
design of a quad-ridged horn antenna. However, the gain
can only be enhanced across the whole band when a ball-
like [19] or cone-like [20] lens is loaded onto the aperture,
without narrowing the beamwidth difference between
high and low frequencies. By loading a three-layered
spear-like dielectric, a nearly constant-beam feed with
a 12 dB beamwidth of approximately 100 degrees in 6
octaves is realized [9]. Since the illumination angle of
the QTT’s main reflector needs to reach approximately
150 degrees, obviously, none of the above feeds meet the
requirement. A single-layered cylindrical dielectric is
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loaded to achieve a 150-degree illumination of a 100-m
reflector [21]. However, the feed is failed to generate
sufficient hybrid-mode of HE; to reduce the beamwidth
difference between E and H planes of the radiation
patterns.

In this paper, a quad-ridged horn antenna based on
dielectric loading is proposed, covering the 0.6 GHz to
4GHz band. By applying differential feeding, the special
ridge and dielectric loading technology, the feed can
realize the characteristics of a nearly constant beamwidth,
a low cross-polarization level and a high isolation in
nearly 7 octaves. To match the QTT’s 110-m reflector,
the horn antenna’s 12 dB beamwidth reaches nearly 150
degrees in most in-band frequencies. The corresponding
phase of the electric field in the angular domain is
maintained within +20 degrees. To verify the design, a
prototype is fabricated and measured, and the results are
compared with the simulations.

The remainder of the paper is arranged as follows.
Section Il mainly describes the structure and design
procedure of the antenna. In Section Ill, a prototype is
fabricated and measured to verify the proposed design.
The in-dish performance of the antenna combined with
the reflector is determined in Section V. Finally, a brief
summary is given in Section V.

I1. ANTENNA DESIGN
This section mainly describes the structure
introduction, the beam control mechanism and the
design process of the proposed antenna.

A. Structure introduction

The horn antenna, including the differential feeding
structure, the loaded dielectrics and the quad-ridged flare
part, is shown in Fig. 1 and is explained below.

The differential feeding structure consists of four
differential feeding coaxial cables and the coaxial cable
to the quad-ridged waveguide transition, which can
suppress the higher order modes, especially the pattern
deterioration mode of TEir [22]. In addition, compared
with the traditional criss-crossed side feeding structure,
the bottom differential feeding technology provides a
fully asymmetry, which brings the working characteristics
of the antenna’s two polarizations closer.

Quad-ridged horn
1 Teflon

Differential feeding p Fused quartz

Fig. 1. The structural sketch of the horn antenna.
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Fig. 2. The sectional electric field distribution of the horn
antenna excited by differential feeding.

As for the cross-polarization, due to the fully
axisymmetric structure, the electric field vectors
orthogonal components excited on each side of the
stimulated double ridge pair are equal in magnitude
but opposite in phase, shown in Fig. 2. When the out-of-
phase components of the two groups are closer in
magnitude, the superposition and cancellation of the
components formed in the far-field will be more
thorough [23]. As a result, the symmetry of the structure
can ensure the high cross polarization discrimination of
the feed at the same time.

The dielectric part is composed of Teflon and fused
quartz. The fused quartz has a spear-like shape with a
dielectric constant of 3.82, which is outlined by multiple
lines. The Teflon has a dielectric constant of 2.1 and
consists of two parts: the inner part is solid except the
hollow space reserved for the fused quartz; the outer
part is cut with grooves to realize a lower equivalent
permittivity. To mount on the quad-ridged horn, the parts
of the Teflon is cut out the space for the four ridges.
These dielectrics are set along the central axis of the
quad-ridged horn, whose bottoms are located at the
beginning of the taper section of the horn.

The outline of the special ridge of the quad-ridged
horn is formed by several straight lines, two exponential
lines and one arc. The detailed design of these parts will
be discussed in part C.

B. Beam control mechanism

If the reflector feed has a constant beamwidth
characteristic within the working bandwidth, it will help
to improve the efficiency of the reflector antenna. To
achieve the characteristics above, we can adopt the
following ideas for a dielectric-loaded quad-ridged horn
antenna.

As for medium and low frequencies, the radiation
pattern is mainly determined by the structural parameters.
Of all the parameters describing the quad-ridge horn
geometry, the ridges and sidewall play the most critical
roles in determining the performance of the horn [8].

For high frequencies, the field distribution is mainly
concentrated between the two corresponding ridges
when a polarization is stimulated. Considering that the
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dielectric rod antenna can control the radiation pattern by
adjusting the dielectric shape [24], the dielectric rod can
also be used to broaden the high frequencies’ beamwidth
when the dielectric constant of each layer changes in
the gradient form. The composite antenna working in
high frequencies can be seen as a dielectric rod antenna
excited by the quad-ridged waveguide. At the same time,
it has the quad-ridged flare around the rod to regulate
and suppress the fields of some high-order modes. From
another perspective, it can also be understood as a
quad-ridged horn antenna that regulates the aperture
field distribution by dielectric loading. As a result, the
narrowing problem of the radiation pattern at high
frequencies can be effectively solved by dielectric loading.
The beamwidth characteristic of the feed should
match the f/D ratio of the reflector. For traditional
conical or pyramidal feed horns, the commonly adopted
illumination level of the feed is -10 dBi. However, for
modern high-efficiency hybrid-mode feed horns, the feed
factor of G/T will reach a maximum when illumination
level of the feed is approximately -16 dB [25]. Since the
distance between the feed and each point of the reflector
is not the same, there exists spatial diffusion attenuation
between the center and the edge of the reflector. Therefore,
to form the best illumination, the spatial diffusion
attenuation needs to be considered. For instance, for a
reflector with an /D ratio of 0.33, the best illumination
angle is approximately +74 degrees, and the spatial
diffusion attenuation at the edge is approximately 3.8 dB
[26]. As a result, the illumination level of the designed
feed should be -12.2 dBi. Two illumination cases for the
traditional and designed feeds are shown in Fig. 3.

C. Design process

First, we aim to design a quad-ridged horn antenna
without dielectric loading. We divide the design into two
parts: the transition from coaxial cables to a quad-ridged
waveguide and the quad-ridged horn.

-12dB

-10dB

Power leakage Power leakage

(a) (b)

Fig. 3. The schematic diagrams of illumination level
comparison for the feed: (a) the case for traditional feed,
and (b) the case for designed feed.



The antenna is differentially fed by four coaxial
connectors in the bottom, with each pair stimulating
a polarization. Since the start frequency of our design
is 0.6 GHz, the cutoff frequency of the quad-ridged
waveguide should be 0.48 GHz to guarantee an allowance
0f 25%. According to the normalized cutoff wavenumbers
of the circular quad-ridged waveguide [27], the ratio of
the ridge spacing to the circular waveguide diameter
should be as small as possible to obtain the widest
bandwidth. When the ratio is close to 0, the cutoff
frequency can be reduced to approximately one half of
the circular hollow waveguide. Therefore, the diameter
of the quad-ridged waveguide should be designed as the
cutoff wavelength of the circular hollow waveguide at
0.96 GHz. The simplified equation for the cutoff frequency
of the TE;; mode in a hollow circular waveguide can be
expressed as follows [28],

f=—Pu, (1)
dr a

where ¢ is the speed of light in free space, a is the

diameter of the circular waveguide and p’y; is the first

zero of the derivative of the first-order Bessel function.

From (1), we can get that the cutoff wavelength of
the TE;; mode at 0.96 GHz is approximately 183.2 mm.
Therefore, the theoretical diameter of the quad-ridged
waveguide should be larger than 91.6 mm. All four
ridges are chamfered to achieve a smaller ridge spacing.
A concave structure at the bottom of the ridge is adopted
to adjust the broadband matching characteristics from
the coaxial cable to the quad-ridged waveguide [9].

The detailed structural parameters of the transition
are shown in Fig. 4. With the help of the full-wave
simulation software ANSYS HFSS 15, the transition is
optimized to work in the 0.6 GHz to 4 GHz band, as
shown in Fig. 5.

The far-field characteristics are mainly determined
by the quad-ridged horn. For the target performance of a
12 dB beamwidth of 150 degrees, the maximum gain of
the antenna at medium frequencies should be controlled
to approximately 9 dBi. As mentioned in part B, we
analyze different ridges and sidewalls, with the diagram
of controlling parameters of the four ridges depicted in
Fig. 6. The inner special ridge curve is composed of an
exponential line and a tangent arc, where the exponential

part can be expressed as follows:
a2—2b1h2>.i

d InC
Yinner =5 € ‘ " + blz ! (2)

2
where d is the spacing of the ridged waveguide, a; is the
aperture diameter of the horn, h; is the height controlling
parameter of the exponential curve, and b; is the linear
part controlling parameter of the exponential curve.
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X
(2) (b)

Fig. 4. Structural parameters of the transition. The
optimized parameters are (unit: mm): a;=52.5, x;=13.1,
x2=1.5,21=17.9, z,=2.1, d=2.8, t=3, s=0.75: (a) side view,
and (b) top view of the dotted part.
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Fig. 5. The reflection coefficients for two polarizations
of the transition.
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Fig. 6. Profile sketch of the ridge and the side wall.
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where a is the diameter of the quad-ridged waveguide, h;
is the height controlling parameter of the exponential
curve, and b, is the linear part controlling parameter of
the exponential curve.

Different from a traditional exponential ridge, the
special ridge has a more compact size and a lighter
weight. This structure can also improve the high
frequency pattern deterioration problem to some extent
[29].

By controlling the parametrics b; and h,, we can
adjust the distance variation speed of each pair of ridges
when d and a, are fixed. As is known, the ridge and
sidewall mainly affect the beamwidth in the middle-
frequency band (1 GHz to 1.7 GHz), while the beamwidth
in the high-frequency band (1.7 GHz to 4 GHz) can
be controlled by the dielectrics mentioned below [9].
Therefore, we aim to determine a set of parameters that
can guarantee a good in-band reflection and make the
antenna’s gain close to 9 dBi in the middle-frequency
band. Since the ridge curve has been discussed in
reference [8], here, we compare the linear, exponential,
sinusoids and exponential combined sinusoids types.
Some contrast simulations are given in Fig. 7, such as
comparisons of different by, h, and sidewall types.
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Fig. 7. Contrast simulations of the ridges and sidewall:
(a) reflection coefficient with different b,.(b) radiation
pattern at 1.5GHz with different b; when X-pol. is
stimulated, (c) reflection coefficient with different ho, (d)
radiation pattern at 1.5 GHz with different h, when X-pol.
is stimulated, (e) reflection coefficient with different side
wall type, (f) detailed reflection coefficient with different
sidewall types, and (g) radiation pattern at 1.5 GHz with
different sidewall type when X-pol. is stimulated.

From Fig. 7 we can see that by selecting reasonable
parameters, the performance of the reflection and far-
field characteristics can satisfy the requirements.

As aresult, b1=0.01, h,=335mm and an exponential
curve with a linear part of b,=0.01 for the sidewall are
chosen to achieve good in-band matching and close to
9 dBi gain characteristics.

The quad-ridged horn is depicted in Fig. 8, and its
electrical characteristics are shown in Fig. 9. The antenna
working from 0.6 GHz to 4 GHz has a good reflection
performance less than -10 dB, a polarization isolation
larger than 60 dB and a cross-polarization level less
than -40 dB. However, from Figs. 9. (e) and (f) we
can determine that the beamwidths at low and high
frequencies are quite different, and the latter are too
narrow, which do not match with the main reflector of
the QTT.

Fig. 8. Modelling of the quad-ridged horn.
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Fig. 9. Simulation of the quad-ridged horn: (a) reflection
coefficient, (b) gain in the Z-axis direction, (c) isolation
of two polarizations, (d) cross-polarization level in the
Z-axis direction, (e) radiation pattern at 0.6GHz when X-
pol. is stimulated, and (f) radiation pattern at 4GHz when
X-pol. is stimulated.

As mentioned in part B, here, we conduct some
work about the dielectric loading. First, we study the
case of single-layered dielectric loading, as depicted in
Fig. 10. The dielectric adopts a fused quartz with a
dielectric constant of 3.82, which is composed of two
cones.

Fig. 10. The sectional view of the single-layered case.
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Through the parameter study of the single-layered
dielectric, we can see that the shape change of the
dielectric can affect the radiation characteristics, as shown
in Fig. 11. However, the load of single-layered dielectric
is not sufficient to cover all the high frequencies.

Then, the second layer of dielectric is added, which
applies the PTFE with a dielectric constant of 2.1, as
depicted in Fig. 12. Similar to the above, we study the
shape parameters of the second layer when the parameters
of the inner dielectric are set as: D;=36 mm, hs=200 mm
and hs=60 mm. From the comparison results in Fig. 13,
we pick out a group of parameters that has a relative
stable gain across the band. The specific parameters are
as follows: D>=30 mm, D3;=130 mm, h¢=220 mm and
h7=52 mm.

15
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Fig. 11. Gain variation curves in main radiation direction:
(a) study of D1 when h4=200 mm and hs=60 mm are fixed,
(b) study of h4 when D=36 mm and hs=60 mm are fixed,
and (c) study of hs when D;=36 mm and h4=200 mm are
fixed.

Fig. 12. The sectional view of the double-layered case.
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Fig. 13. Gain variation curves in main radiation direction:
(a) D3=130 mm, hs=220 mm and h;=52 mm are fixed, (b)
D,=30 mm, h¢=220 mm and h7=52 mm are fixed, (c)
D,=30 mm, D3=130 mm and h7=52 mm are fixed, and (d)
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However, in the form of double-layered dielectric
loading, the gain in the main radiation direction cannot
be adjusted to 9 dBi for most high frequencies. Therefore,
based on this double-layered design, the third layer is
added to optimize the radiation characteristics. To achieve
a lower equivalent dielectric constant, the dielectric of
the PTFE cut with grooves is adopted. With the help of
ANSYS HFSS 15, the final dielectric design is optimized,
as shown in Fig. 14. The performance of the dielectric-
loaded horn antenna will be presented in the next section.

z

(mgng)

(myn;)
— (mg,ng)

(ms,ns)

— (my,ny)
(mgyns)
— (mg,ny)

™ (my,n, )

X
Fig. 14. The sectional view of the optimized dielectrics.
The optimized parameters are (unit: mm): h3=25, hy=220,
hs=52, he=10, h;=260, a3=30, as=130, ki=32, k,=43,
k3=48, k4=54, k5=59, k6=64, k7=68, k8=70, k9=75,
klo:80, k11:86, |(12:91, k13:61, k14:32, k15:l5, m1:2,
n1=28, my=3, N;=34, m3=3.5, n3=40, m4=6, nz=95, Ms=8,
ns=135, me=11, ng=165, m;=18, n;=225, mg=15, ng=245.
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To further analyze the effect of dielectric loading,
the electric field distributions in the diagonal plane of the
antenna before and after loading the dielectrics are given
in Fig. 15. It can be seen from the comparison that the
electric field distributions of the latter are more identical.
To confirm this, the antenna aperture electric field
distributions of the latter are depicted in Fig. 16.
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Fig. 15. Electric field distributions of the antenna in the
diagonal plane: (a) quad-ridged horn without dielectric
loading, and (b) quad-ridged horn with dielectric loading.
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Fig. 16. Aperture electric field distributions of the
antenna.

To verify the simulation, a prototype is fabricated.
The reflection coefficient and the radiation pattern
characteristics are measured and compared with the
simulation.



111. MODELING AND EXPERIMENTAL
RESULTS

The electrical characteristics of the proposed
dielectric-loaded quad-ridged horn antenna are analyzed
by using ANSYS HFSS 15. A prototype of the feed
antenna is manufactured and tested, as shown in Fig. 17.
The metal parts including the ridges, the flared horn
and the back cavity are fabricated with CNC milling
technology. For the dielectrics, the cylinders are first
made by casting molding technology, and then CNC
milling technology is utilized to obtain the designed
shape. To facilitate the test, we use a transmission line
balun to differentially feed the antenna.

The simulated and measured results are demonstrated
in Fig. 18. The proposed antenna possesses a reflection
coefficient of less than -8 dB across the working band
of 0.6 GHz to 4 GHz, and less than -10 dB for most
frequencies, as shown in Fig. 18 (a). The isolation is larger
than 40 dB, and its cross-polarization discrimination is
larger than 31 dB for both polarizations, as shown in Fig.
18 (b) and Fig. 18 (c). From (c), we can also see that the
gains in medium and high frequency ranges are highly
suppressed to approximately 9 dBi. Due to the symmetry
structure and differential feeding technology, the isolation
and cross-polarization level are both very low.

From (d), the 12 dB beamwidth of E and H plane are
close to each other at most frequencies, with an average
difference of 33 degrees. To verify the simulated
beamwidths of the feed, figure (f) to (h) give the radiation
pattern comparisons of 0.6 GHz, 2.5 GHz and 4 GHz.
From the results, we can see that the simulations are in
good agreement with the measurements.

Fig. 17 The antenna under testing in a microwave
anechoic chamber.

As seen with the beamwidth, the phase consistency
of the wavefront is a very important parameter for the
reflector feed. The simulated equal phase angle (defined
as the angular range of the phase fluctuation being less
than +20 degrees) of the radiated electric field is depicted
in Fig. 18 (e), when the observation point is located on

YU, JIANG, QIN, GONG: DIELECTRIC-LOADED WIDE BEAM QUAD-RIDGED HORN ANTENNA

the Z axis and 250 mm above the antenna bottom. The
simulated distance from the antenna bottom to the phase
center is also depicted in (e), which shows it to be stable
to 240+20 mm across the 1.7-4.2 GHz band.

The differences between the simulations and
measurements are mainly caused by the reflection and
phase imbalance brought from the balun, machine errors
and test errors. For example, we find that when the
balun is connected with a long transmission line, some
resonances will be produced, which will affect the
reflection and phase characteristics.

To further verify the performance of the feed in the
reflector system, the in-dish simulation of the reflector
antenna is carried out in the next section.
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Fig. 18 The simulated and measured results of the feed:
(a) simulated and measured reflection coefficients, (b)
simulated and measured isolations, (c) simulated gain
and cross-polarization level for both polarizations, (d) 12
dB beamwidth of E-plane and H-plane, (e) equal phase
angle of the radiated electric field and distance from the
antenna bottom to the phase center, (f) simulated and
measured gain pattern at 0.6GHz for Polarization-X, (g)
simulated and measured gain pattern at 2.5GHz for
Polarization-X, and (h) simulated and measured gain
pattern at 4GHz for Polarization-X.

()
Table 1: The comparison between other dielectric loaded quad-ridged horn antennas
Ref Reflection/ Band/ Isolation/ | XPD/ | f/D of Matched | Avg. Aperture | Avg. Diff. between
' dB GHz dB dB Reflector Efficiency E and H Plane/deg
[9] <-15 0.7-4.2 >45 >28 0.41 65% N/A
[19] <7 5-15 >45 >28 N/A N/A N/A
[21] <-7 1.5-15.5 >40 >15 0.3 50% ~51
This | g 064 | 40 | >31 033 55% 33
work

XPD: cross-polarization discrimination; f/D: focal diameter ratio; Avg.: average; Diff.: difference

IV. IN-DISH SIMULATION WITH
REFLECTOR
The feedforward mode is adopted for the feed to
illuminate the main reflector of the QTT in the 0.6 GHz
to 4 GHz band. With the help of the HFSS-IE function,

we can analyze the in-dish performance of the feed.
However, due to the limitation of computational
resource, here we can only calculate the performance of
the feed on a scaled 33-m parabolic reflector with the
same focal diameter ratio of 0.33. In this simulation, the



phase center of the feed, which is 250 mm above the
antenna bottom, is put at the focus of the 33-m reflector.
The main radiation direction of the antenna is aligned
with the center point of the reflector, as illustrated in Fig.
19. Then, we can determine the efficiency of the reflector
antenna by processing the theoretical gain and simulated
gain. The aperture efficiency of the reflector antenna is
shown in Fig. 20, and the theoretical gain can be
expressed as the following formula:

Gain :10Iog(47;:?n) :

where A represents the aperture area of the antenna,
A denotes the working wavelength, 1 represents the
efficiency and n=1 when calculating the theoretical gain.

From the results, we can see that the efficiency
of the antenna can be maintained at 46%-67% in the
working frequency band. An average efficiency of
55.16% can make the reflector antenna work normally.

Reflector

Feed —— ~

Fig. 19 Diagram of the reflector antenna.
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Fig. 20 The efficiency of the reflector antenna.

V. CONCLUSION

A dielectric-loaded quad-ridged horn antenna was
proposed for operation in the 0.6 GHz to 4 GHz. The
design procedure of the quad-ridged horn antenna and
loaded dielectrics were presented to realize a nearly
constant beamwidth characteristic in middle and high
frequencies. Then, to verify the performance, the feed
was fabricated and measured. The simulations and
measurements were in good agreement. In the end, the
in-dish simulation of the feed was performed to verify
the efficiency of reflector antenna. The results showed
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that the antenna can be a feed candidate of the QTT’s
main reflector for the pulsar observation band.
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Abstract — In this paper, a new wearable (flexible)
textile fabric-based 3D metamaterials absorber (MMA)
structure is proposed. The proposed MMA was created
from three layers; weft-knitted fabric, silicone, and plain
weave fabric and then, it was simulated in Computer
Simulation Technology (CST). It was obtained maximum
absorption power (99.66%) at 9.38 GHz, and the average
absorption power of 81-95% was obtained in the
frequency range of 8 to 12 GHz depending on the
incident angle in the simulation. The effect of the
wearable textile structure on absorption was investigated.
When compared with other materials, it can be said
that the proposed MMA is broadband, incident angle
independent, TE and TM polarization-independent,
flexible, breathable, wearable, ease of fabrication,
practical, low weight, and cost advantage. With this
designed the textile fabric-based MMA, it can be obtained
both low reflection coefficients and low transmission
coefficients at broadband X-band frequencies. This
provides a good solution for the cloaking of radar
systems.

Index Terms — 3D metamaterial, cloaking, plain weave,
textile, wearable absorber, weft-knitted.

I. INTRODUCTION

Metamaterials, which is not found in nature, is
an artificial material having extraordinary features.
The material has negative dielectric permeability (g)
and negative magnetic permeability (n) in the special
frequency range. Metamaterials can be adapted to the
desired range in the electromagnetic spectrum according
to the application areas. It has a wide potential
application in many areas such as electromagnetic
cloaking [1-2], superlens [3-4], sensing [5], absorber
[6-9], the antenna [10-17], etc. [18-20].

Metamaterial periodic resonator shapes are on the
order of a wavelength of incident electromagnetic waves.
When the EM wave arrives at the metamaterial structure,
the periodic resonator will generate a surface current that
causes electrical resonance. The periodic resonator layer
and the conductive layer will generate reverse current to
the surface current. This will cause magnetic resonance.
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If the electrical and magnetic resonance are obtained at
the same bandwidth, the perfect absorber is obtained
[21-22]. The transmission and reflection coefficients
depend on the MMA.. If the intrinsic impedance of the
medium and MMA are matched, the incident wave will
not be reflected and will be absorbed perfectly as
dielectric losses. Typically, MMA is fabricated on rigid
[21, 23] and flexible [6] materials depending on the
application. Recent studies have been focused on flexible
MMA that can be easily integrated application. Many
materials have been used to get flexible MMA designs,
for example polydimethysiloxane [24], polymer [25-26],
polymide [27-31], silicone [32], polypropylene [33],
composite [34], and textile [3, 35-39]. The advantage of
the textile, compared to other materials is flexibility,
breathability, wearable, ease of fabrication, practicability,
low weight and cost. In the literature, there are many
works on textile-based MMA applications. In these
works, periodic shapes were made by using sticking
techniques on textiles. It was created by using the screen-
printing [22], inkjet printing [24, 40], lithographic
processes [25], and stamping [26] techniques. It is not
found an application at which 3D textile geometry was
used for designing textile-based MMA.

In this study, a 3D textile fabric-based MMA was
designated for the X-band frequency range (8-12 GHz)
in the CST simulation. The MMA consists of the
periodic resonator shapes, a conductive layer, and a
dielectric substrate. The weft-knitted fabric and plain
weave fabric was used as periodic resonator shapes and
the conductive layer, respectively. The 3D periodic
resonator shapes were obtained by forming copper in
the half-loop of weft-knitted fabric. Details of the usage
of plain weave fabric structure as a conductive layer are
given in the [41]. The flexible 1.6 mm thick silicone
dielectric layer was used to combine the periodic
resonator shapes with the conductive layer to
improve the absorption performance. The simulation
measurements were performed in the range of 8-12 GHz
(X-Band), where many communication systems operate.
The incident angle and the polarization effect were
investigated. 99.66% of the highest absorption was
observed at TM polarization with 0" incident angle at
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9.38 GHz. The average absorption power of MMA
is swinging between 81% to 95% depending on the
incident angle. Moreover, the effect of the wearable
textile structure on absorption was investigated by using
the scaling method in the CST simulation program. The
major difference of the designed material from the
previously published studies is that it is not only the 3D
wearable textile structure but also it provides high
absorption in wideband and is independent of incident
angle and polarization [35-39]. Designed MMA can
be used in commercial, communication and military
defense application.

The outline of this study is as follows. It was
introduced the theory, preparation, and simulation of
textile-based MMA in Section Il. Next, the incident
angle effect, the polarization effect, the scaling effect on
the absorption power of the designed MMA were given
in Section I11. Finally, it was described how to use MMA
of results and was drawn future works in Section IV.

I1. MATERIALS AND METHODS

Materials complex permittivity and complex
permeability properties depend on the frequency. When
a perfect absorbent is wanted to design, the imaginary
parts of dielectric materials are also very important
because they add extra dielectric loss. If the intrinsic
impedance of the medium and materials impedance
can be matched, incident electromagnetic waves will
not be reflected. Many researchers have been working
intensively on impedance matching and dielectric loss
with MMA.

MMA structures consist of three layers, which
are periodic resonator shapes, a conductive layer, and
a dielectric substrate. The periodic resonator shape
resonates with the incident electromagnetic waves as its
size is smaller than the wavelength of the incident
electromagnetic waves. The periodic resonator shape
and conductive layer were adapted to the textile structure
to form the MMA structure. To create 3D periodic
resonator shapes, a weft-knitted fabric structure having
a wide range of the loop was used. Since the loop of
plain weave fabric is very smaller than the measured
wavelength, it behaves like a conductive surface. The
silicone material was used to form a flexible structure. It
keeps the two fabrics fixed and create a high dielectric
loss.

The absorption power of materials can be calculated
from the reflection coefficient and the transmission
coefficients of the medium. Total reflection coefficients
and transmission coefficients can be explained by using
the multiple reflections theory [42]. The first interface
medium reflects part of the incident electromagnetic
wave and transmits the other part of the incident
electromagnetic waves. The end interface reflects and
transmits a portion of the waves transmitted from the
first interface. This event continues until the wave

disappears in the lossy medium. Illustration and
mathematical representation of this phenomenon are
given in Fig. 1. The total reflections coefficient, Si1, is
written as a function of frequency as given in (1):
L(w) = py + Yoy 17y (o)™ pFe/onT
R(w) = T (w)? = [8;41%, 1)
where R(w) represents the reflection coefficient.
The total transmission coefficients, Sy1, are written
as a function as given in (2):
T(w) = Yn=1T1T2 (Pi)npge_jwnTe_ij/z ,
T(w) = |521|2 . 2
The absorption power of materials is calculated by
using the equation given in (3):

A(@) =1-T(w) —R(w) =1 = [S11* = 1S11*. (3)

Medium

Fig. 1. Multiple reflections theory.

A. Material properties of the knitted and woven
fabrics

Weft-knitted fabric is one of the basic knitting fabric
structures. Wales and course density construct its
horizontal pattern and vertical pattern, respectively [43].

Plain weave fabric has the simplest structure among
woven fabrics. It consists of the weft and warp yarns
woven together that are knitted one after another. When
the cotton yarn is taken from the conductive yarn that
forms the fabric, the only metal mesh will leave. Hence,
the physical structure of the composite plain weave fabric
is similar to metal mesh. Many analytical solutions have
been derived from this type of structure [44]. The weft-
knitted and plain weave fabrics properties are given in
Table 1.
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Table 1: Fabric properties

Knitting Weaving
Copper varn Density Density
Content (nm) Wales|Courses| Warp | Weft
(%) (1/10 |(Loops/ |(Tread/(Tread/
cm) | cm) | cm) | cm)
Weft-
Knitted 55 |7.06| 50 3 - -
Plain
Weave 11 |7.06| - - 10 10

B. Metamaterials based textile design

The weft-knitted and the plain weave fabric structures
are designed by using computer-aided design software
(AutoCAD). The designed half-loop periodic copper
structure was applied to the drawn geometry of weft-
knitted fabric. Then it was included in the entire loop
structure. The plain weave fabric structure was created as
full copper. In the designs, the yarn thickness was as 50
pm and the dielectric constant of the textile yarn was
neglected. The designed textile fabrics were imported into
the CST program for simulation.

The designed 3D half-loop periodic copper weft-
knitted structure is shown in Fig. 2. The designed copper
plain weave fabric structure is presented in Fig. 3. Silicone
was used as the dielectric substrate. The thickness of the
material was 1.6 mm. The silicone material properties in
the CST program were given in Table 2.

Table 2: Silicone properties

Epsilon (g) 11.9
Mue (p) 1

Electrical Conductivity 0.00025 S/m
Material Density (Rho) 2330 Kg/m3
Thermal Conductivity 148 W/K/m

Heat Capacity 0.7 kj/K/kg

™ G

/| R N
— Z\,,r N

Fig. 2. Weft-knitted fabric with half loop copper
structure.
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Fig. 3. The copper plain weave fabric structure.

One-unit 3D half-loop periodic copper weft-knitted
fabric structure dimensions were given in Fig. 4 (2). The
3D side view was given in Fig. 4 (b). One-unit copper
plain weave fabric structure dimensions were given in
Fig. 4 (c). The 3D side view was given in Fig. 4 (d).

r iy \-1
0 2.82mm i
2.9 mm 3.6 mm
, 508mm ~J
(@) (b) T
T 10mm \ f
1.0 mm \
\
= = NE%
© (@

Fig. 4. (a) One-unit half-loop copper weft-knitted fabric
dimension, (b) one-unit half-loop copper weft-knitted
fabric side view, (c) one-unit copper plain weave fabric
structure dimension, and (d) one-unit copper plain weave
fabric side view.

C. Simulation setup

The MMA was formed by combining weft-knitted
fabric, silicone and plain weave fabric. It is given in Fig.
5. Front view of the weft-knitted fabric (a), side view of
the weft-knitted fabric (b), rear view of the plain weave
fabric(c), and side view of the plain weave fabric (d).
The total thickness of the textile-based MMA is 2.23 mm.
The weft-knitted fabric, silicone, and plain woven
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fabric thicknesses are 0.38 mm, 1.6 mm, and 0.25 mm,
respectively.

The 2-port waveguide measurement system was
created in the CST simulation program to investigate the
absorption power of MMA at 8-12 GHz frequency range.
A full mesh cell MMA is simulated in the CST program
by using the finite-difference time-domain (FDTD)
method. The full mesh cell MMA size was defined
as 10x10 cm. The defined physical properties of the
surrounding space were selected as “normal”. Boundary
conditions were selected according to the polarization
mode (TE, TM). The waveguide simulation setup is
shown in Fig. 6. The MMA was rotated on the axis by
the specified angle to investigate the incidence angle
dependence.

©

Fig. 5. (a) Front view of the weft-knitted fabric, (b) side
view of the weft-knitted fabric, (c) rear view of the plain
weave fabric, and (d) side view of the plain weave fabric.

I1l. RESULTS AND DISCUSSION

The absorption power of materials was calculated
by using S parameters. Polarizations (TM and TE)
and incident angles (-20° to 20°) effects on absorption
are investigated in the measurements. Besides, the
absorption power of MMA was investigated by forming
an MMA structure with a just dielectric substrate
(silicone) without copper to reveal the MMA structure
effect. The effect of silicone on the absorption power of
MMA without copper is also given in Fig. 7 and Fig. 8.

Figure 7 shows the result of the absorption power of
MMA at TM polarization within the 8-12 GHz frequency
range and gives the effect of incident angles on

absorption. The maximum and average absorption power
of MMA are also given on the same figure.

Network

Analyzer

Coaxial
cables

Waveguide

adaptor adaptor

Weft-knitted fabric Silicone Plain weave fabric
Fig. 6. Waveguide simulation setup.
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Fig. 7. Absorption power at TM polarization.

Figure 8 shows the result of the absorption power of
MMA at TE polarization within the 8-12 GHz frequency
range and gives the effect of incident angles on
absorption. The maximum and average absorption power
of MMA are also given on the same figure.

Ideally, a perfect absorber should have very low
transmission coefficients and a reflection coefficient.
The maximum absorption power (99.66%) was obtained
at TM polarization with 0" incident angle at 9.38 GHz.
As the angle increases, the cross-sectional area of
the periodic shape becomes smaller. This causes the
maximum absorption power of MMA occurred at a
higher frequency. The average absorption power of
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MMA is swinging between 81% to 95% depending on
the incident angle. The designed MMA achieved high
absorption power in wideband. It can be said that the
absorption power of MMA is almost independent of
incident angle and polarization.

TE Polarization

ACES JOURNAL, Vol. 35, No. 2, February 2020

achieved at high frequencies (11 GHz < f < 12 GHz) for
normal incidence. When the angle of incidence was
increased, the cross-sectional area would be decreased,
therefore better results were obtained for angular
incidence. The proposed MMA was scaled to investigate
the effect of wearable textile structure on absorption,
too. As a result of scaling, the maximum absorption
frequency is shifted, and the average absorption is a bit
increased. It was found that wearability did not have a
remarkable effect on absorption.

The optimum production process is under process.
When the best production technique is determined,
MMA will be produced. The proposed MMA can be
used to prevent the detection of soldiers and military
equipment from radar. Also, this proposed MMA can be
used as an anechoic chamber for X-band applications.

TE Polarization with +20° Incident Angle
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Fig. 8. Absorption power at TE polarization.

Other simulations were performed to investigate the
effect of flatness, flexibility, compression, and folding of
the structure in the CST program. In these situations, the
textile loop size is changing. Thus, the dimension of the
textile structure was scaled to investigate the effect of
these situations on absorption. The whole textile-based
MMA structure was scaled by -10%, -5%, 0%, 5%, and
10% at TE polarization with +20° incident angle and
simulations were performed. The maximum absorption
resonance frequency is shifted, and the average amount
of absorption is gradually increased. The results are
given in Fig. 9.

1V. CONCLUSION

The textile-based MMA design operating at the
X-band was demonstrated in the CST simulation
program. The absorption power of MMA was calculated
by using the transmission coefficient and the reflection
coefficient. The maximum absorption power (99.66%)
was obtained at TM polarization with 0° incident angle
at 9.38 GHz. The average absorption power of MMA is
swinging between 81% to 95% at 8-12 GHz frequency
band depending on the incident angle. It was found that
the angle of the incident and the polarization type of
electromagnetic waves did not affect the absorption
power of MMA. Initially, it was aimed to design the
MMA absorbing at 8-12 GHz. In the incident angles
simulation results, absorption was as expected at 8-11
GHz. However, the same performance could not be

T

Ne Lot :’\\\/ o,«‘\ "&" ;
095 iy 4 Fr a5 P T s
,:~ .,';. |,‘:s o Iy p. w,h{.‘(. '\‘ 4
0'905 / \ 'i :';.‘i :'._:.}.,..‘ll'.,_, ]
- . g °
ot 9 Pl ]
c 4
2 osof v v ]
g ) .
8 075 Scale F(GHz) Max.A MeanA. Scaling ratio
< onk -10% 1084 09867 09346 %10
5% 1067 09702 09424 | vttt %5
065 0% 1057 09833 09137 - =Y%0 ]
+5% 925 09881 0.9482 o o 4%5
060 +10% 906 09901 0.9531 - %10 1
055 F ]
0.50 b— - L 1 a1
8 9 10 11 12

Frequencies (GHz)
Fig. 9. The scaling effect results.
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Abstract — Some wiring rules have been used to prevent
crosstalk in industrial application, but the technical
rationale is not clear. This paper aims at proposing an
analytic method of determining a critical cable spacing
for acceptable crosstalk. First of all, we derive a
calculation function of crosstalk with cable spacing.
Then, we discuss about the crosstalk characteristics
according to the crosstalk function and its curve. On
this basis, we define the critical cable spacing via a
critical point on the curve and explain physical meaning
of the critical point by use of the fringe field around
the victim cable. After that, we analyze the influence of
wiring parameters on the critical cable spacing. Finally,
we conduct an experiment to validate the proposed
method of the critical cable spacing.

Index Terms — Critical cable spacing, critical point,
crosstalk, wiring parameters.

I. INTRODUCTION

Crosstalk interference is a phenomenon affecting
signals propagated in cables and has a close relationship
with cable spacing. The aggressor cable may produce
induced degradation or failures on the adjacent victim
cable due to the coupling of fringe electric field, which
may arouse overall electromagnetic compatibility
problem of the whole electronic system [1-4]. Some
rules have been used for guiding wiring of adjacent
cables to prevent crosstalk [5-7], but the technical
rationale is not clear. Thus, analytic determination of
critical cable spacing is an important issue in industrial
application.

Previous work mainly concentrated on the methods
of evaluating crosstalk [8-10]. Numerical simulation
has been widely adopted to obtain the coupled crosstalk,
but it requires a reliable model of cable harness [11-13].
Compared with numerical simulation in calculating
induced interference on the victim cable, analytic
technique performs better computing efficiency and
consumes less computation resources. As twisted pair
cable is generally applied to transmit information
from a piece of equipment to another, many works

Submitted On: January 16, 2019
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have been published on modeling of predicting the
coupling problem on twisted cables [14-16]. For the
discontinuities such as via, bends and changes in
geometry of a multiconductor transmission lines (MTLS)
system, some researchers apply the scalar and vector
potentials associated with boundary conditions to obtain
non-uniform transmission line equation and crosstalk
for conductors [17-18]. Some others used the cascaded
transmission line theory to deal with crosstalk
calculation of conductors with bends and varying
size [19-20]. Recently measurement-based modeling
techniques are presented to determine the crosstalk
parameters of cables [21-22], which helps to give a
worst-case estimation of crosstalk.

A simple and efficient way of controlling crosstalk
is to keep the cables farther apart, but the question is
how far apart enough, seldom analytic work about
cable spacing rules are studied so far. Hence, this
paper proposed an analytic method to deal with the
determination of critical cable spacing for acceptable
crosstalk so that an effective way of wiring can be
formed. Firstly, we derived an analytic calculation
formula of crosstalk with cable spacing, which contains
the determination of parasitic capacitive and inductive
and solution of coupled crosstalk equations. Then, we
discussed about the crosstalk characteristics according
to the crosstalk function and its curve. On this basis, we
defined the critical cable spacing via a critical point on
the curve and explained physical meaning of the critical
point by use of the fringe field around the victim cable,
in addition, analyzed the influence of wiring parameters
on the critical cable spacing. Finally, we conducted an
experiment to validate the proposed calculation method
of the critical cable spacing. This work can provide an
analytic way of wiring rules.

1. DERIVATION OF THE FUNCTION OF
CROSSTALK WITH CABLE SPACING

A. Derivation of crosstalk calculation

A transmission line model is often used to describe
the crosstalk phenomenon between two parallel cables,
as illustrated in Fig. 1, where the aggressor and victim

1054-4887 © ACES
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cables are placed over a perfectly conducting ground
plane and excited by voltage sources, Z represents
terminal loads on both cables, L; and C; (j=12) are
the per unit length self-inductance and self-capacitance,
L, and C, the mutual inductance and capacitance.
The crosstalk problem arises from the sum of mutual
capacitive and inductive coupling noise propagating in
the length direction along the victim cable.

Aggressor line

Groundplane

Fig. 1. Schematic for crosstalk coupling of two
conductors.

The calculation formula of inductance matrix L
can be written as [19]:

Ho | 2h, ﬂln(l+—4h“zh5j
2r ry 4z S
1 1+ArhAhB o 2N

4r s? 2r Iy

where S is the spacing between two cables, r, and r,
the radius of two cable, Ar, and Ar, the dielectric
thickness, h, and h, the height to the ground, g, the

permeability for free space.

The calculation formula of capacitance matrix C
can be given as [19]:

é {au ay, } | @

aZl a22

1)

where a,, a,, a, and a,, are defined by:

1 (1, 1 1 1
a, = —In—+g,n —In—
2ngg\ &, Ty ry, +Ar, 2h,
1 4h,h
=a, = In| 1+ —2-2 , (3
a'12 21 472'80 [ Sz j ( )
1 (1, 1 1 1
a, = —In—+¢g,In —In—
2ng,\ &, Iy Iy +Ar, 2hg

where g, is the permittivity for free space, ¢, the
relative dielectric constant and ¢, = (&, 1)/, .
According to the multi-conductor transmission lines
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theory, the induced voltage and current along the cables
in frequency domain can be written as:

NG 30, 7
dz
@ _V2i(2), 5)
zZ

where V(z) and [(z) are the voltage and current

matrix, Z = jol and Y = joC the impedance and
admittance matrix.

To solve the coupled (4) and (5), a decoupling
approach is applied to obtain V (z) and [(z) . Thus, the
key problem is how to find the transformational matrix
T, and T, which satisfy:

A

\

>

WV, (6)

F=Tl,, @)
where V. and [ are diagonal matrix and denote
mode voltage and current propagating along the cables.
T, and T, transform the off-diagonal matrix ZY

>

and YZ to the diagonal matrix 7 which satisfy
TA2VE, =T VZT, =57

Then, we can obtain the decoupled voltage and
current equations as follows:

dz\(;mz(z) — ?Z\im (Z) ’ (8)

z

Ll 2 ). ©
zZ

Consequently, the solution of mode voltage \7m

and current fm at position z along the cables can be
written as:

V, (z) =67+, (10)
I, (z)=67"1"-¢"i, (11)

where V. and I are the forward transmission mode

voltage and current, while V- and I the backward

transmission mode voltage and current matrix.
Transmission coefficient matrix €? equals to:
2
Aty e 0
677 = - 12)
0 e—sz

According to the calculation results of mode voltage
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V., and mode current I, we obtain the crosstalk
voltage and current:

i(2)=T, (e’VZ [ —e IA;), (13)
V(z):\f‘lf,y?(e‘”f;+e’”IA,;). (14)

Assuming the conductors only contain voltage
source excitation on both terminals, (13) and (14)
satisfy:

V(0) =V, —Z,1(0), (15)
V(L) =V, +Z,i(L), (16)

where V (0) and V(L) represent the terminal voltage,
[(0) and (L) the terminal current.

Inserting (13) and (14) at z=0 into (15), we obtain:
YT+ 1) =Vs - 2T (1 - 1) . (47)

Inserting (13) and (14) at z=L into (16), we obtain:
YT, p( @7 1+ €)=V +Z,T, (6711 —€ 1) .(18)

(17) and (18) can be written as a matrix equation:

v |7;+ZAST| v |7;_ZAS-|:| r,; _ \73
(Yxl AI 7= ZL AI ) e (Ytl A| 7+ ZAL-lcl ) ¢ f,; Vl
(19)

Through this matrix equation, we can obtain fr;
and . Substituting the calculated results of I and
|~ into (13) and (14), we can obtain the crosstalk [(z)

Im

and V (z) along the victim cable, which is used for the
derivation of critical cable spacing.

B. Definition of the function of crosstalk with cable
spacing
Define matrix M :

(20)
where matrix A, B, C and D are all the function of cable
spacing S. Letting,

A=1/(S),B=f,(S),C=f,(S)and D = f,(S), then,

[ = F(SVs + F,(SV,, (21)
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i~ = f,(S\V, + f,(SV, . (22)

Inserting (21) and (22) into (13) and (14)
respectively, the calculation formula of i(z,S) and

V(z,S) at position z with cable spacing of S can be
modified as:

i(z8)=T [é”“ (1,55 + (SN, )& (£,(SWVs + T, (SIV, )} ,
(23)

V(z,S)=YT ]?[é’” (ONs + 1,5, ) +&7 (£,(S)Vs + fA(S)\fL)} .
(24)

Through (23) and (24), we can analyze the
influence of cable spacing on crosstalk voltage and
current.

C. Numerical validation of crosstalk calculation

To validate the addressed analytic calculation of
crosstalk between adjacent cables, a two copper cables
model is constructed, as illustrated in Fig. 2. The two
cables have a core radius of 0.7 mm, a dielectric
insulation layer thickness of 0.7 mm, a height of 10 mm
to the ground, and a spacing of 25 mm. The aggressor
cable is excited by a 1 V voltage over frequency
(0,500MHz), and all terminal impedance are 50Q2.

Aggressor Cable

Victim Cable

Fig. 2. \oltage source excitation on the cables'
terminals.

In this paper, a full-analysis commercial software
CST based on transmission line matrix (TLM)
technique is utilized to provide a numerical validation.
By using 2D(TL) modeling technique, the equivalent
circuit of cable model is obtained and then the crosstalk
is calculated by using AC combine results solver. The
solid curves in Figs. 3 (a) and (b) respectively show the
calculation results of induced voltage on the near and
far end of the victim cable by the analytic method,
while the dotted curves demonstrate the results from
CST simulation.
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----- CST Simulation :

Crosstalk Voltage on Near End/V

0 50 100 150 200 250 300 350 400 450 500
Frequency/MHz

(@)

= Proposed Method
005+ Lt CST Simulation

Crosstalk Voltage on Far End/V

] 100 200 300 400 500
Frequency/MHz

(b)

Fig. 3. Comparison results of crosstalk voltage on
victim cable: (a) near end; (b) far end.

A good agreement between the analytic and
simulation results establishes the validation of crosstalk
calculation formula. A little difference between two
curves can be seen at higher frequency, which may
be caused by the error during the analytic calculation
of capacitance at higher frequency due to dielectric
insulation layer.

I1I. DISCUSSION

A. Definition of critical cable spacing
According to (24), we can draw out the curve of

near crosstalk voltage V(z,S) with cable spacing S
by changing S from 25 mm to 180 mm at frequency
276MHz, as illustrated in Fig. 4 (a). The curve shows
that crosstalk voltage decreases with the increased S,
especially decreases very sharply at the beginning but
begins to flatten when S reaches a certain value which
we define as the critical point. As illustrated in Fig. 4
(b), the variation of crosstalk at different frequency
point is consistent with the cable spacing. So, the
choice for frequency 274 MHz in our method is
unintentional and the proposed method can be extended
to other frequency points.
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Fig. 4. Crosstalk: (a) crosstalk voltage with cable
spacing from 20 mm to 180 mm; (b) crosstalk voltage
at different cable spacing.

Since the derivative reflects the change rate of
a function with an independent variable, taking the
derivation of the crosstalk voltage function (24) to
variable S, we obtain:

. d(\i(z,S))

I 2
s (25)
The function K describes the change rate of crosstalk

voltage with S. Here, we define S at the critical point

in Fig. 4 as the critical cable spacing. Therefore, S,

satisfy that the change rate of crosstalk begins to reduce
slowly enough when S >S,. The determination of S,

refer to the difference value of K between evenly
spaced adjacent points. The choice of value for K is
based on the trend of the slope between evenly spaced
adjacent points. When the slope difference change little,
we take the intermediate value to be K at the critical
point. For example, a series of derivative value K at S
of (25, 35, 45, 55, 65, 75, 85, 95) mm correspond to
(-2.60, -1.02, -0.50, -0.29, -0.18, -0.12, -0.09, -0.06)
respectively. The calculated results denote a little



difference of K starting from the range (-0.18, -0.12).
Taking the intermediate value to be K at the critical
point, namely K = -0.135, the corresponding So= 72mm,
as illustrated in Fig. 3. Thus, the analytic calculation
process of S, can be summarized as the following steps:

a) Definition of the function of crosstalk with cable
spacing;

b) Determination of the value of K at the critical
point according to its derivative;

c) Calculation of S, by substituting K to the

derivative function.

B. Physical interpretation of critical cable spacing

If ignoring the field reflection effect of victim
cable, the fringe E-field generated by a dipole 1(z)dz
at position z along the aggressor cable in Cartesian
coordinate can be defined by:

— jkr
dE, =e, {—j (z)dz e —sin@cos & cos g[3 jk —rk? +3]}
dnowe, r

— jkr
aE, =, 1~ 1% E " Ginpcososingf3jk - rk? +2] ,
dnwe, ¥ r

- jkr
dE, =e, {j | (z)dz & (k- k2 + Dysin? 0— 2k + 2)cos? 0]}
drws, T r r

(26)
where k = @w.fu,&, is propagation constant, @ angular
frequency, r radiation distance, @ and ¢ the radiation

angles of the fringe fields.

Then, the E-field generated by the aggressor cable
can be obtained by adding up the sum of the contribution
from each dipole to the field components, that is:

E=e [ dE, e, [ dE, +e, | dE, . @7)

Figure 5 gives the mechanism of E-field coupling
to conductor. The victim conductor is illuminated by
a uniform plane-wave field characterized by strength

of electric field vector E and arbitrary incidence (9, )
and polarization 7 angles, as shown in the following
figure. The coupling crosstalk V¢, can be written as [23]:
~fol _ 7 Q]
v, = 2Eh{|: o8 Yo COSh(}/UL) + 7o Sinh(y,L) —G} (28)
7o SINN(y,L)

where
= cosH(cosV/co_sazcow:rsmy/sm 7) o (29)
1-sin“@dcos”
G =sinfcosy , (30)
7o =7,5in@cosy . (31)

From (27)-(31), we can know that the induced
crosstalk is related to the incident E-field. For crosstalk
problem between two conductors, the fringe coupling
E-field is generated by the aggressor cable. Therefore,
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we can explain the influence of cable spacing on the
fringe fields around the victim cable. The detailed
interpretation can be founded in the reference [23].

W

victim circuit

ground plane

Fig. 5. Principle drawing of the victim circuit illuminated
by a uniform plane-wave EM field: definition of wave
angles [23].

Figure 6 shows the relationship between E-field
and radiation distance r from 25 mm to 180 mm at
frequency 420MHz. From Fig. 6, we can see that the
radiated E-field reduces quickly at the beginning of
the curve, then begins to flatten when spacing reaches
a value. This change rule is consistent with that of
crosstalk. As crosstalk voltage is induced by the fringe
E-fields, Fig. 5 gives a reasonable interpretation of
determination of the critical cable spacing.

4

Relationship: E-8

Magnitude of E{V/m)
- [ &
- (5] ] > L2 o

L
2]

o
20 40 60 B0 100 120 140 160 180

Radiation Distance rimm)

Fig. 6. Relationship between radiation distance r and E-
field radiated from the aggressor cable.

From the crosstalk curve in Fig. 4 and E-field
curve in Fig. 6, we can see that the basic trend of the
two curves is the same. However, it should be noted
that the change rate of E-field with distance is not
strictly the same as that of crosstalk, especially at low
frequencies. This may be caused by the magnetic field.

C. Influence of wiring parameters on critical cable
spacing

According to the derivation of crosstalk calculation,
the critical cable spacing is related to wiring parameters.
Figure 7 (a) and Fig. 7 (b) show the influence of cable
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length and height to the ground on critical cable spacing,
which are calculated at the resonance frequency 276MHz.
The two figures indicate obviously that the longer of the
cable or the higher to the ground, the greater the critical
cable spacing. This phenomenon can be explained by
the coupled fringe E-field, that is, the longer of the
cable and the higher to the ground, the more fringe E-
field coupled and the greater voltage induced.

0.25
— | =1 m
——L=2m
02l m—| =3m
——L=4m
> ———L=5m
&
= 0.15
3
>
4
E .KD
o 04"y
2
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X ..'
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0 = mvag
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= H=10mm
014
012
z
g 0.1
S
= 0.08
T
w
g 0.06
(8]
0.04
0.02
e i -

20 4081 60 S2 80S3S4100 S5 120 140 160 180
Cable Spacing S{mm)

(b)

Fig. 7. Influence of wiring parameters on critical cable
spacing: (a) cable length; (b) cable height to the ground.

IV. EXPERIMENTAL VALIDATION OF

CRITICAL CABLE SPACING

To validate the analytic calculation of the critical

cable spacing, we test the crosstalk of two cables based

on Sy; parameter measurement in a well-controlled test

setup. Define the incident voltage Uo and reflected

voltage U4, equals to:
U

S, = U—lo . (32)

Therefore, we can measure the Sy of a two cables

system to obtain the crosstalk on the victim cable by
injecting a voltage Uo into the aggressor cable.

The diagram of the measurement system is shown
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in Fig. 8, where a Keysight FieldFox Analyzers N9913A
(it can be used as Vector Network Analyzer and
Spectrum Analyzer and its test frequency band ranges
from 30 kHz to 4 GHz) is adopted to measure Sy on the
near end of the victim wire, and the tested cable has a
core radius of 0.7 mm, a dielectric insulation layer of
0.7 mm and 300 mm long and 10 mm high above a
ground reference which is a finite metallic plane with
a length of 1m and width of 0.5 m. Two cables are
connected to the analyzer through SMA connectors.
The impedance of matching resistor at each terminal of
the cable is50Q .

v | | |

Keysight FieldFox I Tvo |

Analyzers N9913A L= Cabie = |

| ———— Network ————= |

Generatorl / Receptor 'y il | ! _
port port Matching
resistor
\ Victim cable

Matching
resistor

Aggressor cable

Fig 8. Principle diagram of Sy; parameter test.

The experimental test picture is illustrated in Fig. 9.
Measurements were performed over (30KHz, 200MHz)
by moving the aggressor cable from 25mm to 145mm
with a distance interval of 20mm and recording Sz: of
each step.

Fig. 9. Experimental test picture of S;.

Figure 10 (a) gives the measurement results of Sy
at different cable spacing. Figure 10 (b) is the fitted
curve of Sy with cable spacing at the first resonance
frequency 35 MHz, which demonstrates the relationship
between S,, and cable spacing. Figure 10 denotes that
the greater the cable spacing, the slower the change rate

of Sy1. The fitted function of the relationship between
Sz1and cable spacing are written as:

F=aS"+2, (33)

where the coefficient o = 86.12, f = -44.93, b = -0.3746.
By taking the derivative of F to S and making the
derived function be the critical derivative Ko, we can
obtain the corresponding critical cable spacing So. For



example, inserting Ko = -0.135 into the derivative of F,

the calculation result of critical cable spacing So is 54 mm.

A little difference of the Sp exists between measurement
and analytic results at Ko = -0.135, which is caused by
the experimental cable model due to the inevitable
bending in the wiring process. But the trend of the
measurement curve in Fig. 10 establishes the validation

of proposed calculation method of critical cable spacing.

— Spacing 25mm

-45 — Spacing 45mm
Spacing 65mm
-50 S pacing 85mm

Spacing 105mm
m— Spacing 125mm

0 20 40 60 80 100 120 140 160 180
Frequency/MHz

(@)

[ m— Fitted Curve
=20 © Measurement Data

40 60 80 100 120
Cable Spacing S/imm
(b)

Fig. 10. Experimental measurement of Sy: (a) Su: at
different cable spacing, and (b) the measurement data of
S21 and its fitted curve at resonance frequency 35MHz.

V. CONCLUSION

To deal with the relationship between crosstalk and
cable spacing, this paper proposed an analytic method
of determining the critical cable spacing for acceptable
crosstalk. First of all, a calculation function of crosstalk
with cable spacing was derived, which gave more insight
in crosstalk with cable spacing. Then, the crosstalk
characteristic was discussed according to the crosstalk
function and its curve. On this basis, the critical cable
spacing was defined via a critical point on the curve and
a physical explanation of the critical point was given
by use of the fringe E-field around the victim cable, in
addition, wiring parameters of cable length and height
was studied to analyze the influence on critical cable
spacing. Finally, an experiment based on Sy parameter
measurement in a well-controlled test setup was carried
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out to validate the proposed calculation method of the
critical cable spacing.

From the analytic process of critical cable spacing,
it can be expected that the universality of crosstalk
versus separation curve can be applied for more
complex cases such as multi-wire and shielded cables.
The difference is the way of calculating crosstalk, but
the law of crosstalk varying with the spacing is in a
similar way. This work contributed to wiring rules of
cables in industrial application.
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