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Abstract — This paper proposes a novel crosstalk
prediction method between the triple-twisted strand
(uniform and non-uniform) and the signal wire, that is,
using back-propagation neural network optimized by
the beetle antennae search algorithm based on chaotic
disturbance mechanism (CDBAS-BPNN) to extract the
per unit length (p.u.l) parameter matrix, and combined
with the chain parameter method to obtain crosstalk.
Firstly, the geometric model and cross-sectional model
between the uniform triple-twisted strand and the signal
wire are established, and the corresponding model
between the non-uniform triple-twisted strand and the
signal wire is obtained by the Monte Carlo (MC) method.
Then, the beetle antennae search algorithm based on
chaotic disturbance mechanism (CDBAS) and back-
propagation neural network (BPNN) are combined to
construct a new extraction network of the p.u.l parameter
matrix, and the chain parameter method is combined to
predict crosstalk. Finally, in the verification and analysis
part of the numerical experiments, comparing the
crosstalk results of CDBAS-BPNN, BAS-BPNN and
Transmission Line Matrix (TLM) algorithms, it is verified
that the proposed method has better accuracy for the
prediction of the model.

Index Terms — Beetle Antenna Search (BAS), Back-
Propagation Neural Network (BPNN), chaotic disturbance
mechanism, crosstalk, triple-twisted strand.

I. INTRODUCTION
Multi-core stranded wire has the characteristics of
low loss, low cost and small coupling [1]. Thus, they are
widely used in modern electronic equipment and systems
(such as communication systems, aircraft and ships).
Although it has good performance in reducing radiated
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interference, further research is needed to analyze the
crosstalk between lines [2-4]. At the same time, with
the complexity and miniaturization of equipment,
unnecessary electromagnetic interaction or crosstalk
between wires will be greatly enhanced, thereby
reducing the performance of the equipment.

For the study of cable crosstalk, the traditional
method is to directly solve its transmission lines equation
through the transmission lines model to obtain crosstalk
[5]. However, the cross-sectional position in the
twisted-wire pair (TWP) is random and unknown. The
randomness of the cross-sectional position brings
different p.u.l parameter matrices, so it is difficult to
predict its crosstalk directly by traditional methods [6,
7].

Recently, many researchers have studied the
prediction of TWP crosstalk. They focused their research
on TWP, but relatively little research has been done on
the crosstalk of triple-twisted strand. In [8], Taylor
extended the results of uniform parallel lines to TWP,
which is suitable for non-uniform transmission lines
model. However, this method relies on the assumption of
torsion and the accuracy is not high. In [9], Cannas
proposed to treat non-uniform stranded wires as a
cascade of uniform cross-sections and used BPNN to
make predictions. In [10], the random displacement
spline interpolation (RDSI) was proposed by Dai to
generate a set of non-uniform wire harnesses to provide
training samples, and then used the trained BPNN to
predict the crosstalk, but ordinary BPNN may have high
error, and its prediction range is narrow.

According to the theory of cascading transmission
lines proposed by Paul and McKnight, cascaded multi-
section transmission lines are used to replace the overall
wiring harness [11-13]. Therefore, as long as the p.u.l

https://doi.org/10.47037/2020.ACES.J.360101
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parameter matrices at different positions are obtained,
the crosstalk of the cable can be obtained by the chain
parameter method.

In this paper, the coupling model between the
uniform triple-twisted strand and the signal wire is
established through the production principle of triple-
twisted strand. Based on this, the Monte Carlo (MC)
method was used to obtain the coupling model between
the non-uniform triple-twisted strand and the signal wire,
and the randomness of the non-uniform triple-twisted
strand was simulated. In our previous research [14-16],
neural networks have been shown to express the
relationship between the transmission lines position and
the p.u.l parameter matrix. The BPNN algorithm relies
heavily on its initial weight and threshold parameters,
but its initial weight and threshold is randomly
generated, which results in a large difference in the
results of each simulation and poor robustness [17-19].
This paper combines the CDBAS algorithm and the
BPNN algorithm to obtain a new p.u.l parameter
matrix prediction network [20, 21]. Compared with the
traditional BPNN algorithm, the convergence speed is
faster and the solution accuracy is higher. Then, using
the chain parameter model, the near-end crosstalk
(NEXT) and far-end crosstalk (FEXT) between the
triple-twisted strand and the signal wire are given. The
results of numerical experiments verify the effectiveness
of the method.

The rest of the paper is organized as follows: In
Section 1l, the model of the triple-twisted strand
(uniform and non-uniform) and the signal wire is
established. In Section 11, the p.u.l parameter matrix at
any position of the transmission line is obtained through
CDBAS-BPNN, and the voltage and current at both ends
of the line are derived. In Section IV, the numerical
experiments are used to verify the proposed method,
which proves the accuracy of this method. On this basis,
the crosstalk results are analyzed, and the terminal
voltage characteristics under line-to-line coupling are
obtained. Finally, the results are given in Section V.

Il. THE MODEL OF TRIPLE-TWISTED
STRAND AND SINGLE WIRE

In this paper, based on the production principle of
triple-twisted strand, a coupling model of the uniform
triple twisted-strand and the signal wire is established, as
shown in Fig. 1. The diameter of the core is D, the height
from the ground is h, and the distance of the center of the
triple-twisted strand from the separate single wire is d.
According to the idea of the cascading method, the triple-
twisted strand is divided into uniform small pieces along
the axial direction. And the following characteristics are
assumed: Each transmission line can be considered as
a parallel transmission line, there is only one mode of
transverse electric and magnetic wave propagation on the
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transmission line; the geometric shape of the cross-
section can be considered as a circular outline; the
structure and material of each cable are the same.

Figure 2 shows the coupling model between the
non-uniform triple-twisted strand and the signal wire.
Except for the uneven twisting of the stranded wire, the
other parameters are the same as those in Fig. 1. This
paper uses the MC method to randomly simulate a non-
uniform model. The coordinate positions of the triple-
twisted strand (uniform and non-uniform) and the signal
wire can be expressed as formula (1):

m.(X,y,z) = (?Dcos@z,m?Dsinepz)
my(X,y,2) = (E Dcos(¢, +120°),h+ ﬁ Dsin(g, +120°),z)

3 3 (1)
my(X,y,2) = (? Dcos(#, —120°),h + ? Dsin(g, —120°),z)
ms(x,y,2)=(d,0,2)

where my, mg and my represent the position coordinates
of each point on the triple-twisted strand. ms indicates
the position coordinates of each point on the signal wire.
6, represents the rotation angle at the axial position z

corresponding to the initial position z=0.

Figure 3 is the change of the cross-section of the
wire within one revolution of the uniform triple-twisted
strand. Different sections correspond to different p.u.l
parameter matrices.

Uniform twisting ——

Signal wire

Fig. 1. Geometric model of uniform stranded wire and
signal wire.

Non-uniform twisting —— >

Signal wire

Fig. 2. Geometric model of non-uniform stranded wire
and signal wire.
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6=120° 6 =240° 60 =360°
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Fig. 3. Changes in the cross-section of the wire harness
during a uniform rotation.

In the model of single wire and uniform triple-
twisted strand, the rotation angle corresponding to
different positions is:

9 =

z

360°z , @)
p
where p is the axial length of the triple-twisted strand
rotating evenly, that is, the pitch of the transmission line.
In the non-uniform model, only the twisting degree
of the triple-twisted strand is non-uniform. Therefore, all
its cross-sectional models can be obtained in the uniform
model, but the twisting angles corresponding to different
positions are different. The MC method can simulate the
model of non-uniform triple-twisted strand and the angle
of rotation corresponding to the cross-section.

I11. ACQUISITION OF PARAMETER
MATRIX AND PREDICTION OF
CROSSTALK

A. Unit length parameter matrix

In order to facilitate the study, only the uniformly
divided model is considered first, and each segment is
regarded as a parallel transmission line. The micro-element
conduction model of a multi-conductor transmission line
per unit length is shown in Fig. 4. rj, Iy, cij, and gij,
respectively represent the elements in the resistance
R, inductance L, capacitance C, and conductance G
parameter matrices, where i, j=1,2,3---n

i|n(Z,t) A2 o lnd I,(z+Az,t)
o—— }—"™"™ >
‘LAz
| i(z,t) naz I;(z+Az,t)
+ . II A ﬁ L
. i AZ == =
ij
j- AR N
T lj(z+AzY)
0 > -

Fig. 4. Unit length equivalent circuit model of multi-
conductor transmission line.
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The voltage and current of the transmission line
satisfy the following equation [10]:

aV(ZZ DRI D+L(2 )8'(Z g

6V(z t) ®)

6I(zz ) +G(2)V(z,t)+C(z) ——=

where V(z,t) and I(z,t) are the voltage and current vectors
at position z and time t. R(z), L(z), C(z) and G(z)
represent the unit length parameter matrix at position z,
which are all symmetric matrices of order nxn .

In the uniform model, since the rotation of the
triple-twisted strand is uniform, the parameters in the
parameter matrix X of 0°~120°, 120°~240°, 240°~360°
are all the same, but the positions are different, as long
as the corresponding transformation is performed:

| TX@O)TT 6" €[120°,240°)
X(Z(e )) - 2 T\2 ! ’
T X(z(A))(T")" ,6' €[240°,360°)
where T is the transformation matrix, which is:
0010

000
10 0|

(4)

1 0
T= 5
010 ©®)

0 001
In the non-uniform model, since the cross-section
can be obtained from the uniform model, the parameter

matrix X can be obtained from the uniform model.

B. Predicting p.u.l parameter by CDBSA-BPNN
algorithm

Due to the geometric characteristics of the stranded
wire, the RLCG parameter matrix at different positions
is different. Formula (6) can be obtained from formula
(4):

X(2)=1(0). (6)

It can be seen from formula (6) that different rotation
angles correspond to different parameter matrices. There
is a nonlinear mapping relationship between the rotation
angle and the parameter matrix. Therefore, this paper
introduces a BPNN algorithm with strong nonlinear
mapping ability. Because there are many elements in
the parameter matrix of the triple-twisted strand, as the
output of the BPNN, the output of the network may be
trapped in the local minimum. Therefore, the CDBAS
algorithm is employed to optimize the weight of the
BPNN. BAS algorithm is sensitive to the dimensionality
of the optimization target. The dimensionality of the
weight w composed of w; and wj; is large in the model of
this paper. Thus, the CDBAS algorithm is used for
optimization. The topology of CDBAS-BPNN is shown
in Fig. 5.



Input layer

Hidden layer

Output layer
Fig. 5. Topological structure of CDBAS-BPNN.

The input of the network is the rotation angle 6

(0<4 <120") of the cross-section i. The output is the

RLCG parameter matrix value of cross-section i. Since
the parameter matrix is a symmetric matrix, its upper
triangle is taken as a row of vectors as the output, the
number of vector dimension is:

14243+ +n:Zn . @

The number of hidden layers nn is an empirical value
determined by the number of output layers n,, which can
be as follows:

N, =0.5(n, +1)+a, a=12,-10. (8)

The input layer to the hidden layer uses the sigmoid
function h(x), and the hidden layer to the output layer
uses the linear function o(x). The input can get a
nonlinear output through forward propagation, and then
the CDBAS algorithm is used to back-propagate the
error f(x) to obtain the global minimum:

1

h(x)=
() 1+e7.

o(x)=x

©)

The weights w; and wj; are determined by the
CDBAS algorithm. The specific steps are as follows:

Step 1: Determine optimization goals and build
search model.

For N sets of data, the mean square deviation of the
network output and the actual value is:

(0= 330, -, 10)

i=1 j=1
where y; isthe actual value of the parameter matrix, and
f(x) is the optimized objective function.

List the ownership value as a single row vector x,
which represents the position of the beetle in the high-
dimensional data space. At a certain time t the position
of the beetle is:

x'=rand(k,1), (11)
where k is the dimension of the weight vector, and rand
is a k-dimensional column vector that generates a uniform
distribution.

The search directions of beetle are:

ACES JOURNAL, Vol. 36, No. 1, January 2021

_rand (k,l)
~Jrana (k) (42

By searching to the left or right, the activity of the
antennae of the beetle's whiskers can be simulated:

X =x'+d'b, X' =x'—d'b, (13)

where x! is the position of the search area on the right

(=)

whisker side, x| is the position of the search area on the

left whisker side, dtis the antenna length of the beetle at
time t. It should be long enough to cover the appropriate
search range so that it can jump out from the local
minimum point from the beginning, and then the sensor
length gradually decreases with the passage of time t.

Step 2: Generate an iterative model of the position
of the beetle:

x‘+1=X‘+5‘*1Esign(f(xﬁ)—f(x,‘)), (14)
where ¢ is the step size of the search, which illustrates
the convergence rate of the decreasing function of t.
The initialization of 5 should be equivalent to the search
area. sign(-) represents the symbolic function.

The update rules for search parametersd and & are:
d'=0.95d""+0.01
5'=0.956""
Step 3: Generate chaotic sequence.
In the BAS algorithm, since the beetle is a single
individual search, its global search effect is poor, and
it cannot find the ideal result in a large range. Tent
mapping is added to form CDBAS, so that it can search
for the best fitness value in a large range.
The formula for Tent mapping is [22]:
{an 0<x,<1/2

(15)

n

2(1-x%,) 12<x,<1> (16
where X, is the n-th dimension variable of the chaotic
sequence X', n=12,---k . X, is a random number

obeying uniform distribution, x, €[0,1].

Step 4: Perform chaos disturbance in the position of
the beetle whiskers.

Map the chaotic variable back to the position x about
the beetle:

newX, =min_+(max,—min )X, 17)

where max, and min, are respectively the maximum and
minimum values of the n-th dimension variable newXx.

Chaotic disturbance to the position of the beetle:

newx'™ = x* + step x(newxn - x‘*l)/ 2, (18)

where x*1 is the position of the beetle that needs chaos
disturbance, newX, is the amount of chaos disturbance
generated, newx'*! is the new position of the beetle after
chaos disturbance, and step is the step length of the
beetle.



Step 5: Update the optimal position and optimal
objective function of beetle.

Xbest = XHl
fbest = f (Xt) . (19)
The resulting Xnest is the weight of the BPNN, and

foest IS the global optimal error obtained by iteration. The
specific process is shown in Fig. 6.

Initialization
parameters

t <Tmax Or stop criterion

Generate the search direction d and calculate
the left and right whisker position X;, X, .

+

Update the position x"*of beetle. ‘

—_——— ===
r Chaotic N
IDisturbance @
Y

v

I

I

I
Chaotic disturbance to the position of the I
beetle newx . I
I

]

t+1 t+1
I foa = (X)X =X I

—+ Iterative distance and search step

Fig. 6. CDBAS optimization neural network process.

C. Calculation of crosstalk
Turn formula (3) into a frequency domain equation:

iV(z) =-Z(2)1(2)
dz

, (20)
a 1(z2)=-Y(2)U(2)
dz
where,
V(2) =[Vi(2);Vo(2): Vs (2);V, ()]
1(2) =[1.(2):1,(2); 15 (2): 1, ()] 21)

Z(z)=R(z)+ jwL(z)
Y(2)=G(z)+ jwC(z)
Perform the following modulus transformation,
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NPy

1(2)=Ty(2)1.(2) )
The original equation can be reduced to:
V()= (22T, (2)V, ()
=r’Vv,(z) . (23)
L ()= ()Y (2T, (21,2
=r’l, (2)

where r2 is a diagonal matrix of nxn, and T, =T},

so the characteristic impedance Zc and Yc admittance
matrix at different positions z are:

Z:(2)=T,(9)r*(2) T (2)2(2)

Y(@)-T@)r @) (Y)Y

V(0) — — . V(L)
o, ®, @,

1(0) — — (L)

Fig. 7. Transmission line chain parameter model.

As shown in Fig. 7, get different chain parameter

matrix:
4u(2) @2(2)}
D(z)= ,
) Lﬁm(z) 5u(2)
where ¢,(z) , ¢,(2) , #x(2) ., #5(z) are the chain
parameter subarrays, they are:

¢11 (Z) — %Yfl-l—l (erAz + efrAZ )T;lY

(25)

¢12 (Z) = —%Y71T| (erAZ _efrAz )T(l
1 (26)
¢21(Z) = _ET| (emz _p M ) rflTl,lY

1 rAz —TrAz —.
¢22(z):§T| (e +e )T
Combining the CDBAS-BPNN algorithm to obtain
the p.u.l at any position z, all the chain parameters ®(z)

can be obtained by using formula (26).
The chain parameters of the transmission line are:

@(L) :lﬁ_[q)wm (AZy ). (27)

V(L) v(0)
Ilm I:"’(L’Im) I @)

The terminal constraints are:



(29)

V(0)=V; —Z1(0)
V(L)=V, +ZI(L)’
where Vs=[0;0;0;Vs] is the near-end termination voltage
source, and Zs is the near-end termination impedance.
V=[0;0;0;0] is the far-end termination voltage source,
and Z, is the far-end termination impedance.
The resulting crosstalk is:

{NEXT =20log,, (V(0)/Vs)

FEXT = 20log,, V(L)) (30)

IV. VERIFICATION AND ANALYSIS

A. Verification of CDBAS-BPNN algorithm

In order to verify the effectiveness of the proposed
method, this paper uses the model shown in Fig. 1. The
distance between the triple-twisted strand and the signal
wire is d=10mm, and the height of center wire from
ground is h=8mm. The relevant parameters of the wire
are shown in Table 1.

Table 1: Basic parameters

Name Value
Wire diameter 0.8mm
Insulation layer thickness 0.6mm
Wire material Copper
Insulation material PVC
Wire length Im
; x107 ‘
--= CDBAS-BPNN
---BAS-BPNN
25
m
2 ey,
i
i
o \
15 ] ‘ e
0 20 40 60 80 100

Iteration

Fig. 8. CDBAS-BPNN iteration diagram.

The initial reference cross-sectional model is the
cross section of 0° in Fig. 3. Using ANSY'S simulation
software to extract the parameter matrix, only need to
consider the parameter matrix extraction of 0 ~ 120°, the
parameter matrix of other angles can be obtained by
formula (4). The RLCG matrix values are sampled every
4° between 0 ~ 120°, and there are 30 groups in total,
which are used as training data for the CDBAS-BPNN
algorithm. The number of hidden layers of BPNN is set
to 8 and the number of CDBAS iterations is set to 100.
The units of R, L, C, and G are Q/m, nH/m, pF/m, and
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mS/m, respectively. Figure 8 is the iterative process of
the average error of the parameter matrix of the BAS-
BPNN and CDBAS-BPNN algorithms. The average errors
E of BAS-BPNN and CDBAS-BPNN are 1.85x107 and
1.51x1073, respectively. It can be seen that the prediction
accuracy of CDBAS-BPNN is better.

B. Analysis of crosstalk results

TLM method is used in the CST Cable Studio
software to perform numerical simulation on the model
of the triple-twisted strand and the signal wire [22]. Its
layout in CST is shown in Fig. 9. Both ends of the triple-
twisted strand are connected with 50Q resistors, and
the signal wire is connected to a signal source with an
amplitude of 1V and a frequency varying from 0.1MHz
to 1GHz.

The crosstalk results of #1, #2, and #3 of the uniform
model are shown in Figs. 10, 11, and 12, respectively.
The red solid line is the result obtained by the proposed
method in this paper. The black dotted line is the result
of CST simulation and is used as a reference value. The
blue dotted line is the method of BAS-BPNN mentioned
in reference [15], which is called the old method. The
transmission line is divided into 1200 segments, and the
CPU time spent by each group is 75.41s (the old method
calculates the payment time is very close), while the CST
calculation takes 2.41 minutes, which can reduce a lot of
calculation time.

Fig. 9. CST simulation layout of the triple-twisted strand
and the signal wire.
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In the low frequency range (0.1MHz < f <100MHz),
the results of the two methods are basically the same as
the reference value, but the old method still has a certain
difference, which is about 1 to 2dB worse than the
reference value. In the middle and high frequency range
(100MHz < f < 1GHz), the old method starts to deviate
from the reference value, especially in the high
frequency range, the old method and the reference value
began to have serious deviations, but the proposed
method and the reference value can still maintain a good
agreement.

It can be seen from Table 2 that the results are very
consistent with the CST simulation results, the smallest
average error is 0.06%, and the largest average error is
3.77%. However, the curve in the high frequency range
(500MHz < f <1GHz) is less consistent than the curve in
the low frequency range (0.1MHz < f <100MHz).

Table 2: Average error (%) of the uniform model

fIMHz _ CDBAS-BPNN BAS-BPNN
Wire | #1 | #2 | #3 | #1 | #2 | #3
0.1~100 NEXT | 0.07 | 0.59 | 0.10 | 3.92 | 4.69 | 4.69
FEXT | 0.06 | 0.08 | 0.28 | 4.02 | 4.60 | 4.28
100~500 NEXT |3.77|2.01|2.79|7.96 | 10.2 | 13.6
FEXT |0.25|1.44|2.47|10.7|12.6|5.70
NEXT [1.17]2.69|3.01|17.5]15.9|27.3
500~1000 FEXT |0.75]1.51]2.23|17.3|18.8|16.1

The crosstalk results of the non-uniform model are
shown in Figs. 13, 14, 15 respectively. The red solid line
is the result obtained by the method in this paper, and the
CPU time spent by each group is 82.35s, and the CST
calculation takes 3.36 minutes. The black dotted line is
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the result of CST simulation and is used as a reference
value. The blue dotted line is the result of the old method.
In the low frequency range (0.1MHz< f <100MHz), the
results are basically similar to the uniform model. In the
intermediate frequency range (100MHz< f <500MHz),
the method proposed in this paper is more consistent
with the reference value than the old method. In the
high-frequency range (500MHz< f <1GHz), the near-end
crosstalk obtained by the method in this paper is
basically consistent, but the far-end crosstalk is slightly
larger than the reference value.
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Fig. 13. Non-uniform # 1 crosstalk.
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It can be seen from Table 3 that the smallest average
error is 0.05% and the largest average error is 9.30%.
However, in the high frequency range (500MHz <f
<1GHz), the NEXT curve of the triple-twisted strand
is more consistent than the FEXT curve result. The
possible reason is that the non-uniform model is
repeatedly iterated, which makes the far-end crosstalk
result fluctuate greatly.



Table 3: Average error (%) of the non-uniform model

f/MHz _ CDBAS-BPNN BAS-BPNN
Wire | #1 | #2 | #3 | #1 | #2 | #3
0.1~100 NEXT |0.060.220.43|6.01|5.58|5.74
FEXT |0.22]0.32|0.43|6.07|5.91|6.06
100~500 NEXT |0.77]1.27]0.894.94|3.78 | 4.29
FEXT |2.90|2.57(3.04]2.80|253|3.31
NEXT |4.07|2.67|2.23|3.61|2.66|4.34
500~1000 FEXT |8.14[8.229.30[2.36|1.99|2.44

Comparing the uniform model and the non-uniform
model, it can be seen that the non-uniform results
fluctuate more in the high-frequency range, while the
uniform results fluctuate less in its range. This is the
performance of the randomness of the non-uniform
model in the results. The result corresponding to each
frequency point in the non-uniform model will cause a
large error in the actual measurement. It is difficult to
make a small change in the corresponding frequency
range like the result in a uniform model, and the
measurement accuracy is high.

V. CONCLUSION

For the coupling model of triple-twisted strand and
signal wire, this paper proposes a p.u.l parameter matrix
prediction process based on CDBSA-BPNN algorithm.
Combined with the chain parameter method of the
transmission line, a new method to predict the crosstalk
between the triple-twisted strand and the signal wire
is proposed. Numerical experimental results show that
the method has good applicability and effectiveness,
especially in the low-frequency and intermediate-
frequency bands with high consistency. The results also
show that the use of a non-uniform model can reduce the
difference in crosstalk between strands, but will cause
the crosstalk results to suffer greater fluctuations in
the high-frequency range. The estimation results of the
crosstalk between the triple-twisted strand and the signal
wire can provide important guiding significance and
reference value for the electromagnetic compatibility
design in engineering practice. However, this paper does
not consider the effect of frequency on the p.u.l parameter
matrix and the triple-twisted strand. Therefore, there is
still a lot of research space after this paper.
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Abstract — In this paper, a novel helix delay line with
RPs structures is proposed to investigate the performance
of crosstalk reduction. In the past, conventional delay
lines consist of equal-length parallel unit lines which
are closely packed to minimize the fabricated cost and
routing area. All spacing between the adjacent parallel
unit lines of delay lines should be smaller. When the
operating signal frequency ups to the GHz level, the
electromagnetic noise has become a dominant issue
coupling from adjacent lines. It is called as a crosstalk
source. The crosstalk may affect system-level timing.
Besides, it causes error switching of logic gates that will
reduce the signal quality. The feature of proposed helix
delay line is that the far-end crosstalk (FEXT) is a
dominated noise that accumulates at the receiving end.
RPs structures are added and aligned at the center of the
two parallel adjacent unit lines of the proposed helix
delay line, which are used to reduce the difference
between inductive and capacitive coupling coefficient
ratios, and to reduce FEXT that maintains the signal
integrity (SI) quality on receiving end.

Index Terms — Far-End Crosstalk (FEXT), helix delay
lines, Rectangular-Patches (RPs), Signal Integrity (SI).

I. INTRODUCTION

Crosstalk is usually represented in terms of near-end
crosstalk (NEXT) and FEXT [1]. FEXT is induced by
the difference between the inductive coupling ratio and
the capacitive coupling ratio. In addition, FEXT
is also proportional to the length of parallel trace and
exists in an inhomogeneous environment only, e.g., the
microstrip geometry [2], [3]. In the past several years,
the popular delay lines are with serpentine routing
and spiral routings [4], [5]. In conventional serpentine
and spiral delay lines, NEXT is a dominant noise that
propagates to the receiving end. The noise accumulated
at the receiving end will result in time-domain
transmission (TDT) waveform degradation and affect

Submitted On: June 16, 2020
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the eye-diagram quality. Although there are many
strategies for crosstalk noise reduction in early studies,
the crosstalk noise such as NEXT always exists.

In order to reduce the NEXT and FEXT between
adjacent parallel lines of the delay line, many design
rules and techniques have been adopted by designers. A
well-known 3W rule is a general method of reducing the
crosstalk in which separation between adjacent lines of
three times of line width [6]. A guard trace added within
two adjacent lines is also a common method for crosstalk
reduction. However, a guard trace without a terminator
will experience noise and act as a potential source of
noise for the victim [7], [8]. In contrast to the guard trace
without termination, two terminators matching the line
impedance can be placed on both ends of the guard trace
to terminate the noise energy and reduce the crosstalk
[9]. In the shorting-vias guard trace method [10], guard
trace with grounded vias can maintain the stable
grounded potential at every via point. In the via fences
method [11], it is well known that a guard trace which is
shorted at multiple points will lead to the lowest amount
of crosstalk. It is because the via fence is designated to
reduce the coupling between two adjacent lines. In order
to reduce the crosstalk in parallel double microstrip lines,
the optimal number and location of grounded vias
method will be adapted for preventing the crosstalk as
well [8]. In addition, a serpentine guard trace with the
grounded vias was proposed to reduce the crosstalk
between two adjacent parallel lines [12]. Besides, a new
design of FEXT crosstalk reduction is proposed by using
the rectangular-shape resonators on two parallel-coupled
microstrip lines [13]. Nowadays, there are some studies
for FEXT reduction such as using a homogeneous
dielectric substrate on PCBs [14], coated graphene on
microstrip lines [15], surface mount capacitors on FEXT
mitigation [16], and RSR for FEXT mitigation [17].
However, using a homogenous dielectric substrate,
graphene, and capacitor increases the PCB cost and
probably increase the production loss.

https://doi.org/10.47037/2020.ACES.J.360102
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Based on the last studied in [18], some new
investigations and extensions in FEXT reduction are
shown in this paper. For example, the derivation on the
section of the three-coupled lines is equivalent to the
mathematical models of the mutual-capacitance. The
design methodologies in determining the dimensions
of RPs for increasing the mutual-capacitance between
the adjacent parallel lines, and the representations of
both three-coupled lines and two-coupled lines sections
are concatenated together for FEXT calculation. This
equation is presented in this paper.

This paper is organized as follows: a brief
characterization of crosstalk is revisited in Section II.
The proposed helix delay line and the crosstalk analysis
are illustrated in Section Ill. In Section 1V, we focus on
the design methodology of determining the dimensions
of RPs. In addition, equivalent capacitance circuit model
of the three-coupled lines section, and the relationship
between capacitance values and inductance values are
also presented. The comparisons between the simulated
and the measured results are presented in Section V.
Some Brief conclusions are presented in Section VI.
Finally, one RPs design example for increasing mutual-
capacitance in two parallel adjacent unit lines was shown
in the appendix section to improve the readability of this

paper.

1. INTRODUCTION TO NEXT AND FEXT

Crosstalk occurs due to the coupling effects caused
by the mutual-capacitance and the mutual inductance of
the victim and aggressor lines, driven by the transient
signals in the aggressor. The end of the victim closer to
the driver (receiver) of the aggressor is called the near
(far) end. When the rise and fall times of the aggressor’s
transient logic state change continuously, the signal
operation of the victim will be destroyed because the
energy coupling is transferred from the aggressor [1].
Crosstalk is usually represented in terms of NEXT
and FEXT. The formulas for NEXT and FEXT can be
represented as:

—Vin(Im | Cm
Vaxr = 22 (324 22), (1)
— VinTD (Im | Cm
Vegxr = 2t, (LS + CT)’ (2)

where Vi, is the input voltage, TD is the time delay, t:
is the rising time, Ls is the self-inductance, Ly, is the
mutual-inductance, Cr is the self-capacitance, and Cn,
is the mutual-capacitance [19]. As can be seen from
equation (2), the amplitude of FEXT is determined by
the difference between the inductive coupling ratio
(Lw/Ls) and the capacitive coupling ratio (Cn/Cy). For
example, in some practice cases, the unit length of two
adjacent parallel lines with microstrip geometry, where
the dielectric constant of the surrounding air is less than
that of the inside PCB dielectric constant, the inductive
coupling ratio is always larger than the capacitive
coupling ratio. Thus, FEXT is a negative pulse.

I11. CROSSTALK IN HELIX DELAY LINE
The novel helix delay line without RPs structures
and with RPs structures are shown in Fig. 1 (a) and
Fig. 1 (b), respectively. In Fig. 1 (a), all unit lines (e.g.,
sections of A-C, C-D, etc.) in the helix delay line always
keep counter-clockwise routing. Besides, it has the same
width and spacing between adjacent unit lines that is
used to maintain the impedance under the acceptable
level. In addition, both the helix delay line without RPs
and the helix delay line with RPs structures are employed
with microstrip geometry. The via hole is used to connect
the line between the top and the bottom layers at point R
under the line impedance that maintains the acceptable

level. The cross-sectional view is shown in Fig. 1 (c).

#2

4

#6

T
Signal oEE—E—— - - - - - e e . -:LF
Er

GND(PWR)
Via Hole &r
GND -
& H
Signal -
(©

Fig. 1. The schemes of helix delay line. (a) without
rectangular-patches (RPs); (b) with rectangular-patches
(RPs); (c) the cross-sectional view.

Based on the assumption that the weak coupling
condition was considered in the helix delay line, the
noise induced on the adjacent victim line rarely affects

11
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the main stimulus signal on the aggressor line [20], [21].
As can be seen in Fig. 1 (a), when a main stimulus step
signal travels down all unit lines (i.e., point Ato C, C to
D, etc.) to the receiving end (i.e., point R) of the helix
delay line, the crosstalk will be induced. The best two
units are formed when two unit lines are in the nearest
neighborhood to the main stimulus signal. E.g., when a
main stimulus step signal propagates to point G of #3
unit line, meanwhile, crosstalk was induced on point B
of #1 unit line and point L of #5 unit line. In point B of
#1 unit line, the crosstalk is the result of the mutual
capacitance in conjunction with the mutual inductance
between adjacent unit lines. Thus, it can be divided
into two directions. Due to the fact that this crosstalk
observed on the adjacent unit lines (i.e., #1 unit line) far
away from the driver end of point F, one crosstalk
propagates to the point C of #1 unit line and it finally
propagates to point R of receiving end. It is given by
FEXT (Viar-end). Another one propagates to point A of
#1 unit line. Because this crosstalk is close to the driver
end of point F, it is given by NEXT (Vnear-end). The same
condition happens when a main step stimulus signal is
at point G of #3 unit line. The crosstalk was induced
on point L of #5 unit line and can divide it into two
directions. One propagates to the point N of #5 unit line,
given by FEXT (Vrar-end). Another one propagates to point
K of #5 unit line, given by NEXT (Vnear-end). The FEXT
on point B of #1 propagates to the receiving end of the
helix delay line behind the main stimulus signal. On
the contrary, the FEXT on point L of #5 propagates to
receiving end of helix delay line ahead of the main
stimulus signal.

#2

(b)

Fig. 2. The crosstalk on the helix delay line. (a) NEXT
and FEXT on #3 unit line; (b) NEXT and FEXT on #6
unit line.
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For a simple crosstalk analysis, let us consider the
crosstalk that can be seen on all unit lines. It propagates
to the receiving end ahead of the main stimulus signal
when the main stimulus signal travels down all unit
lines of the helix delay line. As can be seen in Fig. 2 (a),
we consider a helix delay line with twelve unit lines.
When a main stimulus step signal with amplitude (Vinput)
and rise time (t,) was driven at point A of #1 unit line,
crosstalk was induced at point F of #3 unit line and can
divide into two parts. One is a FEXT at point F of #3
unit line. It propagates toward the point H of #3 unit line.
This crosstalk finally propagates to the receiving end of
point R. Another one is NEXT at point F of #3 unit line.
It propagates toward the point E of #2 unit line. This
crosstalk finally propagates to the driver end of point A.
As can be seen in Fig. 2 (b), when a main stimulus step
signal propagates to point L of #5 unit line, crosstalk
current is induced at point Q of #6 unit line. Because
the crosstalk is the result of the mutual capacitance in
conjunction with the mutual inductance between adjacent
unit lines, it can divide into two directions. One propagates
to the point O of #6 unit line. Finally, this crosstalk
propagates to point A of #1 unit line. Besides, this
crosstalk is observed on the adjacent unit lines (i.e., #6
unit line) that is far away from the driver end when the
main stimulus signal propagates along #5 unit line, given
by FEXT (Viarend). Another one is that it propagates to
point R of receiving end. This crosstalk can be seen on
the adjacent unit lines close to the driver end when the
main stimulus signal propagates along #5 unit line, given
by NEXT (Viear-end). The same analysis method can
consider the crosstalk which can be seen on all unit lines
and propagates to the receiving end behind the main
stimulus signal.

All Viarend induced from adjacent unit lines will
propagate to point R of receiving end when a main
stimulus step signal travels down all unit lines from point
A of #1 unit line to L of #5 unit line. On the other hand,
in Fig. 2 (b), the distance of both Sy.v and Sy.14 (€.9., the
adjacent unit lines distance between point N to O and O
to Q) is larger enough as compared with the distance
between two parallel adjacent unit lines (i.e., the distance
between #1 and #3 unit lines, etc.). The Viear-end Can be
neglected. Thus, the TDT waveform at the receiving end
is mainly affected by Vrar-ena in the proposed helix delay
line.

V. RPs TO INCREASE THE MUTUAL-
CAPACITANCE OF ADJACENT UNIT
LINES SECTION OF HELIX DELAY LINE

RPs are regularly added and aligned at the center
of the two parallel adjacent unit lines of the helix delay
line. As mentioned in Section 11, the amplitude of FEXT
is determined by the difference between the inductive
coupling ratio (Lw/Ls) and the capacitive coupling ratio
(Cw/Cr). Therefore, the design topology of FEXT
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reduction in the proposed helix delay line with microstrip
geometry is to increase the Cn. In order to minimize
the difference between inductive coupling ratios and
capacitive coupling ratios, in term of adding RPs at the
center of the two parallel adjacent unit lines of the helix
delay line, the FEXT formula is represented by (2).

In order to develop the design rule of RPs, and the
spacing between adjacent RPs in the helix delay line,
firstly, the helix delay line with RPs should be divided
into several parallel three-coupled lines sections (the
cross-sectional view of helix delay line with RPs
structures) and several two-coupled lines sections (the
cross-section view of the helix delay line without RPs
structures), as shown in Fig. 3. Secondly, two equations
are presented to achieve the self-capacitance and the
mutual-capacitance of a parallel three-coupled lines
section of helix delay line, as shown in (3) and (4). Due
to the assumption that the surrounding conductors are
not ferromagnetic, both parallel three-coupled lines and
two-coupled lines sections of helix delay line with the
dielectric can be replaced by using the air. Thus, it
can achieve their self-inductance and mutual-inductance
values. Finally, an industry case is described in detail and
presented. This part presents the increasing of mutual-
capacitance in the helix delay line with adding RPs in its
adjacent parallel lines section to reduce the FEXT. In this
paper, the width and the length of each RPs are denoted
as Lr and Dg. The distance between two edges of
adjacent RPs is denoted as G, as shown in Fig. 1 (b).
The RPs design starts from determining the physical
dimensions of Lgr and Dr. The Lr and Dr of each RPs
should be shorter than the one-tenth wavelength of the
system rise time. The rise time typically takes a signal to
transition between its magnitude within 10 ~ 90% edge
rate [19]. In addition, to neglect the mutual coupling
from adjacent RPs, the distance between adjacent RPs
should be no shorter than three times of the Dr of RPs.
Finally, the width and the length of each RPs can be
achieved as the design above.

A. Equivalent inductance and capacitance circuit
models in the three-coupled lines section

In Fig. 3, we assume that the cross-sectional
dimensions of parallel three-coupled lines and two-
coupled lines sections of helix delay line are different in
the Z direction. The per-unit-length capacitance and
inductance will be the functions of position in Z direction.
For an example, C(Z) and L(Z). This non-uniform
transmission line is not easy to be solved because the
resulting of per-unit-length parameters will be the
functions of the independent variables in the same fashion
as a non-constant coefficient ordinary differential
equation. In addition, by making the approximation of
the gap between consecutive patches in the Z direction,

it significantly increases the size than in the X direction.
Thus, per-unit-length parameters will be the functions
of positions X, these approximations can be reached
by neglecting the fringing of the field [22]. Thus, the
lumped circuit approximation method in this paper is
used to present the circuit model of each parallel uniform
three-coupled lines section and each parallel uniform
two-coupled lines section. Besides, it also adds the
representations of them for FEXT calculation. For
example, in the two-coupled lines section, the cross
section of helix delay without RPs structures, it is easy
to achieve all inductance and capacitance values for
evaluating the NEXT and FEXT. An example in the
three-coupled lines section, the cross section of helix
delay with RPs structures, equation (3) [23], and (4)
are presented in this paper to achieve the equivalent
values of self-capacitance and mutual-capacitance. The
equivalent values of the mutual-capacitance (i.e., Cn )
and the self-capacitance (i.e., C'11) on three-coupled lines
section can be directly derived as:

. C,-C
Cn=Catg LCuecy
29 21 32
C21 'C21
Cpy +Cp+Cy
where Cy; is the self-capacitance of aggressor line, Cx
is the self-capacitance of patch, Cs is the mutual-
capacitance between aggressor line and victim line, Cx;
and Cs, are the mutual-capacitance between patch and
unit line, Cyq is the self-capacitance of the patch to ground,
and Cyg = Cy - Cy1 - Csp. Based on the assumption that
the cross-section of the three-coupled lines section is a
symmetrical geometry, and RPs is aligned at the center
of the two-unit lines, the C2; = Csz. From (3), increasing
the C2 and Cs, will get higher C’which can significantly
lower the difference between the inductive and the
capacitive coupling ratios. Because the aggressor and
victim lines of the three-coupled lines section are
symmetrical geometries, the C’11 = C’33. The capacitance
circuit model of the three-coupled lines section and its
equivalent circuit model are shown in Fig. 4 and Fig. 5,

respectively.

©)

Cvn =C,+ (4)

Two-coupled lines section

Three-coupled lines section

Fig. 3. A cross-sectional view of the two parallel adjacent
unit lines with RPs structures.
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Reciever end Far-end

Ci

Aggressor Line ¥
Driver end I I I

Victim Line

Near-end

Fig. 4. A capacitance circuit model of helix delay line
with RPs.

C,

Reciever end Far-end
LS Cu /] S Cs S
Aggressor Line m' oo eesesd ' Victim Line
Driver end 1 I Near-end

Fig. 5. An equivalent capacitance circuit model of helix
delay line with RPs.

Let us assume that any medium surrounding the
conductors are not ferromagnetic in the helix delay line
and permeability of free space p = Ho. We designate
the capacitance matrix with the surrounding medium
removed and replaced by free space having permeability
go and permeability po as Co. Since inductance depends
on the permeability of the surrounding medium and does
not depend on the permittivity of the medium, the
inductance matrices either self-inductance or mutual-
inductance can be obtained from C, using the relations
for a homogeneous medium, given as [24]:

L= s6,Cy ()

B. RPs parameters study

Figure 6 shows the simulation results of FEXT
observed in two adjacent parallel lines with varying the
S between the RPs and two adjacent parallel lines when
dimensions are selected by W = 0.66 mm, H = 0.4 mm,
T = 0.035 mm. As can be seen in Table 1, it is evident
that the FEXT reduction can reach by 5.2% when the
RPs dimensions are selected with Lg = 0.66 mm, Dg =
0.75 mm, and S = 0.1 mm, compared to the two parallel
adjacent lines without RPs. Additionally, when the cases
of S =0.075 mm and S = 0.05 mm, the larger value of
mutual-capacitance Cy, can increase the ratio of Cy, to Cr.
The FEXT reductions can reach 13.6% and 33.7%. All
results are simulated by a 3-D full-wave CST simulator
[25] with a single-ended step signal of 50 ps rise time.
Figure 7 compares the simulated TDT waveforms of
varying Lr of RPs when considering a twenty-unit lines
helix delay line with RPs structures. The dimensions are
with W =0.4 mm, H=0.27 mm, Dr=0.1 mm, G=0.3
mm, T = 0.045 mm, Sy.p=1.2 mm, Sy.y= 1.6 mm, & =
4.3, and loss tangent = 0.035.
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All simulation are implemented by a 3-D CST
simulator, and the input source is chosen as a single-
ended step signal with 50 ps rising time. In Fig. 7, the
TDT voltage drops around 0.7-0.8ns on the case of
helix delay line without RPs design because the FEXT
accumulating at receiving end. A contrast to the helix
delay line with RPs design, when the dimensions are
selected with Lgr = 0.45mm, Lg = 0.4mm, and Lg = 0.35
mm, the voltage drop has a visible reduction to the case
of helix delay line without RPs design. Besides, the
simulation results indicates that the smaller distance
between the unit line and RPs on the case with Lg =
0.45mm (S = 0.075mm), the number of voltage drop has
smallest one among four cases. It means that the smallest
distance has the largest number of Cr, between unit line
and RPs. Figure 8 and Fig. 9 compare the simulation
results for both transmission and reflection coefficients
of the proposed helix delay line with RPs structures and
without RPs structures. It shows that the helix delay line
with RPs structures can maintain the acceptable level of
transmission and reflection coefficients compared to the
case of helix delay line without RPs.

0.05 =

FEXT Voltage (Volts)

Far-end Crosstalk

11—« - — With RPs (LR=0.66 mm, DR=0.75 mm, $=0.05 mm)
025 = =+ = + = With RPs (LR=0.66 mm, DR=0.75 mm, $=0.075 mm)
----- With RPs (LR=0.66 mm, DR=0.75 mm, $=0.1 mm)

Without RPs

-0.3 T T T T T 1
02 03 0.4 0.5

Time (ns)

Fig. 6. The simulated waveform of FEXT.

1.2 =

ge (Volts)

Voltag

TDT Waveforms
----- With RPs (LR = 0.45 mm)
=+ =+ = WithRPs (LR = 0.4 mm)
Y == WithRPs (LR - 0.35 mm)

N+ ———— Without RPs

I ! | ! I ! I ' 1
2 2

Fig. 7. The simulated TDT waveforms with varying the
width of RPs.
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10—

[Syp| (dB)

- Reflection Coefficient
————— With RPs (LR = 0.45 mm)
=50 = - - = - = WithRPs (LR = 0.4 mm)
=+ - =+ With RPs (LR = 0.35 mm)
7 Without RPs
A LA B B B BN L B
0 1 2 3 4 5 6 7

Frequency (GHz)

Fig. 8. The simulated reflection coefficient with varying
the width of RPs.

[S 21 1(dB)

Transmission Coefficient
————— With RPs (LR = (.45 mm)
————— With RPs (LR = 0.4 mm)
— -+ = - WithRPs (LR = 0.35 mm)
= Without RPs

Frequency (GHz)

Fig. 9. Simulated transmission coefficient with varying
the width of RPs.

Table 1: Simulated results of FEXT

FEXT
Geometry (Volts)
Two parallel adjacent unit lines without RPs | -0.193
Two parallel adjacent unit lines with RPs .0.183
(Lr=0.66mm, Dg=0.75mm, S=0.1mm) '
Two parallel adjacent unit lines with RPs -0.167
(Lr=0.66mm, Dgr=0.75mm, S=0.075 mm) ’
Two parallel adjacent unit lines with RPs -0.128
(Lr=0.66mm, Dg=0.75mm, S=0.05mm) '

V. MEASUREMENT VALIDATION

The time-domain input source is selected as a
single-ended step signal with an amplitude VS and the
rise time t,. launched by the voltage source. Input source
is connected to the driver at the end of the helix delay
line in the top layer. The single-ended impedance of
each unit line section of the helix delay line is 50 Q. The
source and the load resistances are chosen as Rs = R_ =
50 Q. The load resistor is connected to the receiving end.
The time-domain and the frequency-domain simulations
are performed by 3-D CST full-wave simulator. Keysight
86100C TDR and E5071C VNA are used to perform
measurement validations of time-domain and frequency-
domain. The schematic setup is shown in Fig. 10. There
are four schemes to verify the crosstalk reduction on the
proposed helix delay line with RPs structures which are
based on the common setting, such as the physical length
between the source end to the receiving end, a number of
unit lines, the spacing between adjacent unit lines, and
the circuit size of the PCB.

The following four delay lines are compared. The
first is the proposed helix delay line with thirteen-unit
lines (1). The dimensions are with W = 0.45 mm, H =
0.305 mm, T=0.045 mm, Sy.4=2.25 mm, Sy.v=2.25 mm,
FR4 with & = 4.3, loss tangent = 0.035 and all spacing
between adjacent unit lines are 0.6 mm. The second is
the proposed helix delay line with RPs structures (2). The
dimensions are with W = 0.45 mm, Lg = 0.45 mm, Dr =
0.1 mm, S = 0.075 mm and G = 0.3 mm. The third is
the dimensions in serpentine delay line (3) and the fourth
is the spiral delay line (4) with W = 0.45 mm, H = 0.305
mm, T=0.045 mm, FR4 with & = 4.3, loss tangent =
0.035 and all spacing between adjacent unit lines are 0.6
mm, as shown in Fig. 11.

In eye-diagram between two cases of helix delay
line with RPs and the case of helix delay line without
RPs, it shows that the increment of the mutual-
capacitance improves the waveform quality of the eye
diagram. Because the RPs are added in the helix delay
line, the eye-opening can be increased by 0.05 V. Figure
12 (a) and Fig. 12 (b) presents that the overshooting and
undershooting can be reduced by 0.048 V and 0.049 V.
As can be seen in Fig. 12 (b) and Fig. 12 (c), the
overshooting and undershooting in the eye-diagram of
helix delay line with RPs structures can significantly
reduce by ((0.165 - 0.035) / 0.165) x 100% = 78.8% and
((0.169 - 0.043) / 0.169) x 100% = 74.6% compared to
serpentine delay line. Besides, the crosstalk accumulates
the receiving end of the serpentine delay line and appears
as the undershooting and overshooting in the eye-diagram,
as shown in Fig. 12 (c). Similarly, as can be seen in Fig.
12 (b) and Fig. 12 (d), the overshooting and undershooting
in the eye-diagram of helix delay line with RPs structures
can significantly reduce by ((0.069 - 0.035) / 0.069) x
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100% = 49.3% and ((0.075 - 0.043) / 0.075) x 100% =
42.7% compared to spiral delay line.

Helix Delay Line

Receiving End

Step Signal

e

1
| . . . .
\Top Layer Signal Line  Bottom Layer Signal Line,
\ AP
H (Solid Line)
1

@ Vs

Fig. 10. The graphical schematic for time-domain
simulation and measurement.

© (d)

Fig. 11. The photographs of fabricated delay line. (a)
The helix delay line; (b) the helix delay line with RPs
structures; (c) the serpentine delay line; (d) the spiral
delay line.
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Fig. 12. The measurement results of eye-diagram. (a)
The helix delay line; (b) the helix delay line with RPs;
(c) the serpentine delay line; (d) the spiral delay line.
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In Fig. 13, the helix delay line with RPs structures
can significantly increase the mutual-capacitance and
minimize the difference between the inductive with the
capacitive coupling ratios. Thus, the helix delay line
with RPs structures can significantly reduce the TDT
waveform penalty around 0.6 ns. Keysight 86100C
TDR measures the results with single-ended ramped
step signal of 50 ps rise time. Figure 14 and Fig. 15
compare the measurement results of the transmission and
reflection coefficients for the helix delay line without
RPs, the helix delay line with RPs, the serpentine and the
spiral delay lines. The results are measured by Keysight
E5071C VNA. In Fig. 14 and Fig. 15, the helix delay line
with RPs structures can maintain a significant level of
both transmission and reflection coefficients compared
to others. Thus, the proposed helix delay line with RPs
does not spoil the signal transmission.

TDT Waveforms

[~ - = = - Serpentine delay line

=== Spiral delay line

4 — -+ — - Helix delay line

3 Helix with RPs_Measured

(L~ 0.45 mm, D, — 0.1 mm)
D Helix with RPs_Simulated

- (Ly=0.45 mm, D= 0.1 mm)

Voltage (Volts)
1

T T T T T 1

Time (ns)

Fig. 13. The comparison between simulation and
measurement of TDT waveforms.

S| (dB)

4 Transmission Coefficient Waveforms N
----- Serpentine delay line
————— Spiral delay line
= - = = - Helix delay line
Helix with RPs_Measured

(Ly= 045 mm, D= 0.1 mm)

Helix with RPs_Simulated .

(Ly=0.45mm, D, = 0.1 mm)

A L LA DL DL DL DL B
0 1 2 3 4 5 6 7

Frequency (GHz)

Fig. 14. The comparison between simulation and
measurement of transmission coefficient.
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[S,l (dB)

: Reflection Coefficient Waveforms
#f  eeceea Serpentine delay line
: ————— Spiral delay line

— - - = - Helix delay line

_____ Helix with RPs_Measured
=70 — (Lg=0.45 mm, Dy = 0.1 mm)
Helix with RPs_Simulated
(Ly=0.45 mm, D, = 0.1 mm}

L L L L L
0 1 2 3 4 5 6 7
Frequency (GHz)

Fig. 15. The comparison between simulation and
measurement of reflection coefficient.

V1. CONCLUSION

3W spacing, guard trace with ground-via, guard
trace with terminators, a homogeneous dielectric substrate,
grapheme coated, adding capacitors on between adjacent
lines, and using RSR are common methods applied to the
crosstalk reduction in past studies. Although there are
with good crosstalk reduction performance, yet many
ground-via, homogeneous dielectric substrate, graphene,
and capacitors will increase the manufacturing cost and
ground-via. Besides, the capacitors will limit the routing
flexibility. In contrast to the proposed helix delay line
with RPs structures, it does not need many ground-via,
terminators, capacitors, and extra covering materials.
Thus, it efficiently decreases the manufacturing cost,
mitigates the limitation of the routing area, and reduces
the routing space for reaching a miniature design.
Besides, compared to the conventional packed serpentine
and spiral delay lines, the NEXT is a dominant noise that
is accumulated at the receiving end. The NEXT always
exists and may affect the system-level timing that causes
error switching in logic gates. The proposed novel helix
delay lines, FEXT is a dominant noise, it can be
significantly reduced with RPs. The RPs was used to
significantly increase the mutual-capacitance between
adjacent parallel lines of the helix delay line.

In simulation and measurement results, the helix
delay line with RPs structures can significantly reduce
the FEXT compared to the helix delay line without RPs
structures. Besides, it improves the quality of the eye-
diagram compared to the conventional serpentine and
spiral delay lines. Some comparisons with the others
conventional delay lines are also made to evaluate the
transient TDT waveform. It is also found that the
proposed helix delay line with RPs structure design has
lower overshooting and undershooting voltage which
can maintain eye-diagram quality.
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APPENDIX

RPs design for increasing mutual-capacitance in two
parallel adjacent unit lines

In this section, in order to make a clear view about
the increasing of mutual-capacitance in two parallel
adjacent unit lines by adding the RPs structures, an
industrial case of the two parallel adjacent lines with
the length of 0.05025 m was adapted. Besides, we also
provide the comparison between the proposed circuit
model and 3-D full-wave simulation. The two-coupled
lines section of this industrial case (i.e., the cross-
sectional view of two parallel adjacent unit lines without
RPs section) is shown in Fig. 3. The dimensions are with
W =0.66 mm, H=0.4 mm, T =0.035 mm. The spacing
between adjacent unit lines is 0.86 mm. The length of
each two-coupled lines section is 2.25 mm. The values
of the mutual-capacitance, the self-capacitance, mutual-
inductance, and self-inductance are Cy= 3.29 pF/m, Cr=
110 pF/m, Ly, = 28.9 nH/m and Ls = 319 nH/m, extracted
from Keysight ADS circuit simulator.

Table 2: Inductive and capacitive values of the three-
coupled lines section
Capacitance (pF/m

Cu Ca Ca Cs Css Cs1

128 36.3 150 36.3 128 0.91
Inductance (nH/m
Lu L2 L2 L3 La3 L3
284 103 259 103 284 35.9

The three-coupled lines section of this industrial
case (i.e., the cross-sectional view of two parallel adjacent
unit lines with RPs section) is shown in Fig. 3. The RPs
are aligned regularly at the center of the two adjacent
lines. The dimensions are Lg = 0.66 mm, Dg = 0.75 mm
and S = 0.1 mm. The values of the mutual-capacitance,
the self-capacitance, the mutual-inductance, and the self-
inductance in the three-coupled lines section are listed in
Table 2, extracted from Keysight ADS circuit simulator
as well. The equivalent values of the mutual-capacitance
and the self-capacitance in the three-coupled lines
section would be achieved through (3) and (4). Their
equivalent values of the self-inductance and the mutual-
inductance can be achieved through (5). The equivalent
values are with Cy, = 9.69 pF/m, Cr = 136.8 pF/m, Ly, =
29.7 nH/m and Ls =218 nH/m. We assume that the noise
source on the aggressor line was driven with the step
single-ended signal, and the rise time of step signal is 50
ps. The current velocity is 1.66 x 108 m/s (i.e., 1.66 x 108
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m/s =1/ ((136.8 pF/m+ 9.69 pF/m) x (218 nH/m + 29.7
nH/m))?). Therefore, both dimensions of Lg and Dr of
each RPs should be shorter than 0.83 mm (i.e., 0.83 mm
= ((1.66 x 108 m/s) x (50 ps)) / 10).

Finally, the lumped values of inductance and
capacitance of each two-coupled lines section and each
three-coupled lines section can be added together to
calculate the FEXT. In this industrial case, the length is
0.03825 m of two-coupled lines section (i.e., 0.03825 m
= 17 x 2.25 mm, 17 two-coupled lines sections) and
0.012 m of three-coupled lines section (i.e., 0.012 m =
16 x 0.75 mm, 16 three-coupled lines sections) when the
total length of the parallel adjacent lines is 0.05025 m.
The lumped values are with C,, = 4.82 pF/m (i.e., 4.82
pF/m = (3.29 pF/m x 0.03825 m) / 0.05025 m + (9.69
pF/m x 0.012 m) / 0.05025 m), Cr= 117 pF/m (i.e., 117
pF/m = (110 pF/m x 0.03825 m) / 0.05025 m + (136.8
pF/m x 0.012 m) /0.05025 m), L, =29.1 nH/m (i.e., 29.1
nH/m = (28.9 nH/m x 0.03825 m) / 0.05025 m + (29.7
nH/m x 0.012 m) / 0.05025 m) and Ls= 295 nH/m (i.e.,
295 nH/m = (319 nH/m x 0.03825) / 0.05025 m + (218
nH/m x 0.012 m) / 0.05025 m). Therefore, all
capacitance and inductance coupling ratios, including
two-coupled lines section (i.e., 0.0299 = (3.29 pF/m /110
pF/m), 0.0906 = (28.9 nH/m / 319 nH/m)), equivalent
three-coupled lines section (i.e., 0.0708 = (9.69 pF/m /
136.8 pF/m), 0.1362 = (29.7 nH/m/ 218 nH/m)), lumped
two-coupled lines section and equivalent three-coupled
section (i.e., 0.0412 = (4.82 pF/m / 117 pF/m), 0.0986 =
(29.1 nH/m / 295 nH/m)), are listed in Table 3.

Table 3: Inductive and capacitive coupling ratios

Lumped Two-
Two- Equivalent coupled Lines
Coupling Coupled . Section and
Rati - Three-coupled .
atios Lines Li . " |Equivalent Three-
. ines Section :
Section coupled Lines
Section
|Cin/ Cr 0.0299 0.0708 0.0412
|L/Ls| 0.0906 0.1362 0.0986
|Lw/Ls|-|Cw/C+| | 0.0607 0.0654 0.0574
|Ln/Ls|+|Ci/Cqy | 0.1205 0.2070 0.1398
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Abstract — The planar integrated EMI filter has been
widely used because of its small size and good high-
frequency characteristics. During the production process,
if the electrical parameters of the integrated LC structure
can be accurately identified, it will help improve the
high-frequency characteristics of the filter. However,
this identification problem is a multi-peak problem,
which can easily fall into a local optimal solution. Based
on the Feature Selective Validation method, this paper
proposes an improved Immune Algorithm. The proposed
method keeps changing the fitness function in the
iterative process to avoid the algorithm falling into
the local optimal solution. Finally, comparing with the
measured impedance characteristic curve, it is verified
that the proposed method is more accurate than the
common Immune Algorithm.

Index Terms — Feature selective validation, immune
algorithm, parameter identification, planar integrated
EMI filter.

I. INTRODUCTION

In 2003, Chen from Virginia University of
Technology proposed the Planar Electromagnetic
Integration technology and applied it to Electromagnetic
Interference (EMI) filter design [1,2]. The Planar
Integrated EMI filter uses thin film technology to
connect cores with different permeability to the printed
circuit board, and the integrated LC (means inductance
and capacitance) structure is formed to realize the
filtering function. Its advantages are small size, easy
modularization, and high frequency performance.

In 2013, Huang from South China University
of Technology proposed common mode windings
overlapped and interleaved layout technology, in order
to improve the high frequency performance of the planar
integrated EMI filter [3]. In 2014, Wang from Nanjing
University of Aeronautics and Astronautics devised ring
EMI filter structure. Using axisymmetric electrostatic
field model and harmonic magnetic field model, the
theoretical analysis of its electromagnetic characteristics
has been realized [4]. In recent years, integrated EMI
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filters have been widely used in engineering practice,
especially the design of DC-DC Power Electronic
Converter [5, 6].

Reference [4] points out that the integrated LC
structure determines the main performance of the Planar
Integrated EMI Filter. In the production process, if
the integrated LC structure parameters are identified
accurately, the integrated LC structure can be improved
according to the target performance, then the development
cycle can be shortened and the development cost can be
reduced.

The parameter identification of the integrated LC
structure is a typical multi-peak problem [3], and the
identification result is easy to fall into the local optimal
solution, so it is difficult to obtain real parameter results.
Many modern intelligent optimization algorithms try to
solve the multi-peak problem [7-9], the most successful
of which is the Immune Algorithm evolved from the
Genetic Algorithm [10,11]. However, when using these
algorithms, the calculation method of the fitness function
has not changed, so it cannot completely solve the
problem of falling into the local optimal solution.

This paper proposes an improved Immune Algorithm
based on the Feature Selective Validation (FSV) method,
which can make the fitness function change continuously
during the iteration process, in order to completely solve
the problem of falling into the local optimal solution.

The paper is organized as follows: Section Il
introduces the problem of LC structural parameter
identification of the planar integrated EMI filter briefly.
Parameter identification based on common Immune
Algorithm is presented in Section Ill. Section 1V
proposes parameter identification based on improved
Immune Algorithm, and its verification is shown in
Section V. The conclusions are given in Section VI.

I1. PARAMETER IDENTIFICATION
PROBLEM OF INTEGRATED LC
STRUCTURE

The planar integrated EMI filter is composed of the
El type magnetic core, the integrated Differential Mode
(DM) capacitor, the integrated LC module and the

https://doi.org/10.47037/2020.ACES.J.360103
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leakage layer, as shown in Fig. 1. It is the integrated LC
structure that plays a decisive role in its performance, as
shown in Fig. 2. The integrated LC structure uses printed
circuit board manufacturing technology to form winding
conductors on both sides of the substrate with a higher
dielectric constant, and distributed capacitance will be
generated between the upper and lower conductors. At
the same time, the magnetic core with higher magnetic
permeability will cause inductance in the winding
conductor. The dielectric constant of the dielectric layer
and the geometric properties of the wire will affect the
integrated capacitance parameter, and the magnetic core
permeability and the number of coil turns will affect the
integrated inductance parameter.

Integrated DM capacitor

Integrated LC module

Leakage layer

El type magnetic core

Fig. 1. Composition of the planar EMI filter.

Fig. 2. Integrated LC module with magnetic core.

The lumped parameter model shown in Fig. 3 is
used to describe the electrical properties of the integrated
LC structure, and then the analysis of high-frequency
filtering characteristics can be realized [4]. R represents
the loss resistance of the connecting wire, and L is
the inductance of the connecting wire. M represents
the coupling inductance between the upper and lower
conductors, C is the concentrated capacitance to
approximate the distributed capacitance between the
equivalent layers, and C,, is the parasitic capacitance

between turns.

In order to identify the parameter values in the
model, four impedance characteristic test experiments
are designed under four working conditions. The
schematic diagram is shown in Fig. 4.

Case 1: Between terminals B and C is in an open circuit,
measure the impedance between terminals A and D:

AD — 2
Case 2: Between terminals C and D is in an open circuit,
measure the impedance between terminals A and B:

_1 R+_ (L+M)/Cp +-2 . (l)
jo(L+M)+2/ jaC,  joC

_ZZZ/j(OC (2)
AB — " '
Z,+2/ joC
L-M)/C
z,=2|Re WG, 2 |
jo(L-=M)+1/ joC,  joC

Case 3: Terminals C and D are short-circuited together,
and the impedance between terminals A and B is
measured:

AB — f )
Z,+2/ joC
L-M)/C
Z,=2| R+- ( ) P . ®)
jo(L-M)+1/ jaC,

Case 4: Terminals B and C are short-circuited together,
and the impedance between terminals A and D is
measured:

_ 4Z4/ja)C (6)
AD — - ’
Z,+2/ jaC
L+M)/C
Z,=2|R+- (LxM)/c, | @
jo(L+M)+1/ joC,
Using the impedance characteristic curve to

determine the equivalent lumped parameter model is a
parameter identification problem, and the parameters to
be identified are the electrical parameters in the model in
Fig. 3. Intelligent optimization algorithms can solve this
problem. Taking genetic algorithm as an example, the
chromosome is the parameters to be identified. The value
range of the parameters can be estimated by the length of
the PCB board wire, the distance between the boards
and the dielectric constant of the medium. The fitness
function is the difference between the model calculated
impedance curve and the actual measured impedance
curve.

1

Q

N DO

%{_ég
(@)

éJ_ TCZ
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|
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Fig. 3. Lumped parameter model of the integrated LC
module [4].
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Case 4

Case 3

Fig. 4. Schematic diagram of impedance characteristic
test experiment.

It is worth noting that different combinations of
inductance and capacitance can resonate at the same
frequency, so it is easy to fall into a local optimal
solution. In other words, parameter identification of
integrated LC structure is a multi-peak problem.

111. PARAMETER IDENTIFICATION
BASED ON IMMUNE ALGORITHM

In the iterative process of traditional intelligent
optimization algorithms, random and unguided searches
are performed in the solution space. Although it provides
opportunities for evolution, there is inevitably the
possibility of degradation. The essential reason for the
degradation is that the calculation rule of the fitness
function does not change, which will seriously affect
the diversity of the solution results. As a result, the
identification result converges to the local optimal
solution and cannot reach the true global optimal
solution.

In the Immune Algorithm, the antibody concentration
evaluation operator is introduced according to the
concepts of antibodies and antigens in biology. This will
avoid the rapid reduction of the diversity of solutions, so
as to reduce the possibility of the algorithm falling into
the local optimum [11]. The calculation formula of the
antibody concentration evaluation operator is arranged as:

den(A) = 3 s(A A, )

ACES JOURNAL, Vol. 36, No. 1, January 2021

where A, represents an antibody consisting of a vector
of parameters to be identified, den(A,) is the antibody
concentration evaluation operator of the antibody A,. N
is the total number of antibodies, and function S(A;,A,)

is represented as:
1res(A,A)) <o

S(A"Aj):{O,res(Ai,Aj)zé' ©)

res(A;,A;) indicates the similarity between two

antibodies, usually described by Euclidean distance. ¢
is the similarity threshold.

Combining the original fitness function value
(referred to as the antibody affinity operator in the
Immune Algorithm), the incentive calculation operator
is obtained according to the following formulas as the
final fitness evaluation result of the antibody:

sim(A,) =axaff (A;) —bxden(A,), (10)

or
sim(A,) = aff (A, )e ™), (11)
Where aff (A,) is the antibody affinity operator, a and b

are constants determined based on actual calculation.

In this paper, the antibody affinity operator aff (A;)
is given by FSV method [12,13]. The FSV method is an
automated validation method recommended by IEEE
Standard 1597.1/2, in order to quantitatively evaluate
the difference between Computational Electromagnetics
(CEM) simulation results and the reference data. The
reference data are the actual measurement results provided
according to the Fig. 4.

The main idea of the FSV is shown in Fig. 5. Fourier
transform decomposes simulation results and the
reference data into three kinds of data with different
frequency components. The Amplitude Difference
Measure (ADM) is reconstructed from the difference of
low frequency data, and the Feature Difference Measure
(FDM) is reconstructed from the difference of high
frequency data. The Global Difference Measure (GDM)
is the final quantitative evaluation value, which combines
the results of the ADM and the FDM. The smaller the
difference, the smaller the value of GDM, which
indicates that the CEM simulation results are better. In
this case, the aff (A,) is provided as:

aff (A,) = 23: FSVou | Test,, . Cal, (A) ], (12)

where Cal, (A;) means the impedance calculation of the

antibody A, according to the equations from (1) to (5).
Test, is the measured result provided by the Impedance

Analyzer, and FSV,,,, means the GDM value given by
the FSV method.
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| reference data I
decompose ‘
DC part
low-frequency part low-frequency part
high-frequency part high-frequency part

|

ADM FDM

I simulation results I
* decompose

DC part

GDM
Fig. 5. Main idea of the FSV method [12].

There are four working conditions in Fig. 4. In this
paper, the first three working conditions are used to
perform the parameter identification as the training set.
Then the Case 4 will be treated as the testing set in order
to verify the accuracy of the identification results. Thus,
the aff (A,) result in equation (12) is the sum of the

three GDM values.

Noteworthy, only the amplitude results of
impedance are applied for the parameter identification in
the equation (12), and the phase results are not used.

In the Immune Algorithm, the antibody concentration
evaluation operator increases the possibility of antibody
mutation, and improves the probability of the algorithm
jumping out of the local optimal solution. However, the
calculation rule of the antibody affinity operator has not
changed, so it has not completely solved the problem of
falling into the local optimal solution.

IV. PARAMETER IDENTIFICATION BASED
ON IMPROVED IMMUNE ALGORITHM

This section proposes an improved Immune
Algorithm, which makes the value of the antibody
affinity operator continuously change with the increase
of genetic algebra, in order to completely solve the
problem of falling into a local optimal solution.

In the FSV method, the GDM is calculated by the
ADM and the FDM. The formula is presented as:

GDM = /(Kuoys - ADM ) + (ks -FDM Y, (13)
where k,,, and kg, aretheweights of ADM and FDM

respectively, they are between 0 and 1. Reference [12]
gives the weight assignment rules in the standard FSV
method.

According to the above properties, the values of
K,ow and ke, can be changed in the iterative process,

so that the calculation result of the antibody affinity
operator aff (A;) is constantly changing during the
algorithm implementation process. In this paper, the
following weight assignment rule is proposed as:

Kuoy = o.2+0.8x(1—|3|ﬂ), (14)

gen

and

Keoy :o.2+o.8x|3|ﬂ_ (15)

gen
Where gen represents the ongoing genetic algebra, and
M., is total genetic algebra.

gen

Noteworthy, according to the principle of immune
algorithm, the larger the gap between parameter 0.2 and
1, the more drastic the fitness function changes, and
the easier it is to jump out of the local optimal solution.
After testing, the minimum gap required to identify
the problem in this article is 0.6, in other words, the
parameters can be 0.4 and 1.0. Meanwhile, the algorithm
needs to ensure a certain stability in the later stage of the
iteration, so the weight parameters are set to 0.2 and 1.0.

In the early stage of the algorithm for parameter
identification, ADM plays a decisive role in calculating
the result of the antibody affinity operator, while FDM
plays a major role in the later stage. This means that the
difference in amplitude can be continuously adjusted in
the early stage of identification, and the difference in
details can be continuously adjusted in the later stage,
which fully meets the expectations of evolutionary
algorithms.

Most importantly, this method keeps the calculation
rule of the antibody affinity operator changing during the
iteration. In this way, the diversity of antibodies in the
Immune Algorithm can be maintained to the greatest
extent, and it is easier to jump out of the local optimal
solution to achieve the global optimal solution.

V. ALGORITHM VALIDITY
VERIFICATION
In order to verify the accuracy of the proposed
method, the real object is produced for providing the
standard data, shown as Fig. 6.

Fig. 6. Physical image of integrated LC module.

The shape of the magnetic core is EE type. The
material of the dielectric layer is FR-4, and its thickness
is 0.8mm. For the wire related parameters, the number of
turns is 3 with the width 2mm. The spacing between the
wires is 0.5mm, and the thickness of the wires is 35um .
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A. Parameter identification results based on the
experimental data of Case 1, Case 2 and Case 3

As shown in the lumped parameter model in Fig. 3,
there are five parameters to be identified, namely C, C ,

L, M and R. Therefore, the dimension of the antibody
in the Immune Algorithm is 5. The total number of
antibodies is 200, and the maximum immune generation
is 150.

The search range of some parameters to be evaluated
can be estimated based on the actual LC structure,

such as C is from 1x10 ™ Fto10x107"F, C, is from

1x10™2F to 10x102F, and L is from 1x10°H to

10x10°H . Other parameters can only be estimated
based on engineering experience, such as M is from
OH to 10x10°H, and R is from 0Q to 10x107°Q2.

The incentive calculation operator is finally selected
as formula (10), in which both a and b are assigned 1.
According to the first three working conditions, the
parameter identification based on the improved Immune
Algorithm is completed, in which the impedance
characteristic frequency range is from 10MHz to 1GHz.
The antibody affinity operator is the sum of three GDM
values from the comparison of the difference between
model calculation results and actual measurement results.
In the improved Immune Algorithm, it is worth noting
that the GDM values are calculated by formula (13) and
formula (14).

The identification results of the improved
Immune Algorithm are C=4.4x10""'F, C =5.8x10"F,

L=6.6x10°H, M=1.4x10""H and R=8.7x10°Q.
For comparison, the identification results of the common
Immune Algorithm are C=4.0x10™F, C_ =5.2x10"F,

L=7.2x10"°H, M=5.3x10""H and R=3.2x10°Q.

The comparison of the results under the three
working conditions is given in Fig. 7, Fig. 8 and Fig.
9. The red line represents the actual impedance
characteristic curve from the measurement, the black line
represents the impedance characteristic curve formed by
the Immune Algorithm identification results, and the
blue line represents the impedance characteristic curve
formed by the identification results of the improved
Immune Algorithm.

Using the FSV method, the accuracy of the
identification results of the Immune Algorithm and the
improved Immune Algorithm can be compared, as
shown in Table 1. It shows that the improved Immune
Algorithm is more accurate. It also means that the
identification result of Immune Algorithm is the local
optimal solution, while the improved Immune Algorithm
is the global optimal solution. Meanwhile, Table 2 shows
the comparison of average relative errors, and it can also

ACES JOURNAL, Vol. 36, No. 1, January 2021

give the same conclusion obviously.

Experimental data
= = =Immune Algorithm
- | Improved Immune Algorithm | |

Impedance[dB(2]

107 108 10°
Frequency[Hz]

Fig. 7. Comparison of impedance simulation results in
Case 1.

Impedance[dB(?]

Experimental data
0 = = =Immune Algorithm

---------- Improved Immune Algorithm

-10 . e e N e .

108 107 108 10°
Frequency[Hz]

Fig. 8. Comparison of impedance simulation results in
Case 2.

50

Experimental data

40+ |- - - Immune Algorithm
---------- Improved Immune Algorithm

Impedance[dB(1]

108 107 108 10°
Frequency[Hz]

Fig. 9. Comparison of impedance simulation results in
Case 3.

Table 1: FSV values for verifying algorithm accuracy

Immune Improved Immune
Algorithm Algorithm
Case 1 0.24 0.23
Case 2 0.20 0.19
Case 3 0.22 0.22
Total 0.66 0.64
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Table 2: The comparison of average relative errors

Immune Improved Immune
Algorithm Algorithm
Case 1 12.27% 12.98%
Case 2 22.83% 19.94%
Case 3 13.36% 15.02%
Mean 16.15% 15.98%

Figure 10 shows the change of the fitness function
of the improved Immune Algorithm in the iterative
process. This property determines that the proposed
method is easier to jump out of the local optimal solution
than the common Immune Algorithm. Furthermore, the
red line shows that the common Immune Algorithm has
converged around the 90th generation, indicating that the
selection of the number of chromosomes and genetic
algebra is appropriate.

0.7 -
----------- Immune Algorithm
069 —— Improved Immune Algorithm | -

E
So68)
c
8
g 067
=)
)
(5]
@
£
ic

20 40 60 80 100 120 140
Number of iterations

Fig. 10. Change of fitness function in iterative process.

B. Algorithm validity verification according to the
experimental data of Case 4

The comparison of the results under the fourth
working condition is given in Fig. 11. Meanwhile, Fig.
12 provides the local zoom results of Fig. 11. It is shown
that the improved Immune Algorithm is more accurate
than the Immune Algorithm.

60

Experimental data

S0F |-~ immune Algorithm )

---------- Improved Immune Algorithm !

40|
30}

Impedance[dB(}]

108 107 108 10°
Frequency[Hz]

Fig. 11. Comparison of impedance simulation results in
Case 4.
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Fig. 12. Local zoom results of Fig. 11.

Using the FSV method, the GDM of the common
Immune Algorithm is 0.22, and that of the improved
Immune Algorithm is 0.18. Meanwhile, the average
relative error of the common Immune Algorithm is
10.43%, and that of the improved Immune Algorithm is
7.06%. It means that the identification results provided
by the improved Immune Algorithm are more accurate.

VI. CONCLUSION

Base on the FSV method, this paper proposes an
improved Immune Algorithm, in order to solve multi-
peak parameter identification problem. Take the
parameter identification problem of the integrated LC
structure in the Planar Integrated EMI Filter as an
example, it is proved that the proposed method is more
accurate, because it is easier to jump out of the local
optimal solution than the common Immune Algorithm.
This achievement not only helps to improve the high-
frequency characteristics of the Planar Integrated EMI
Filter, but also reduces its manufacturing cost.
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Abstract — We develop a discontinuous Galerkin time
domain (DGTD) algorithm with an experimentally
validated modified Debye model (MDM) to take metal
dispersion into consideration. The MDM equation is
coupled with Maxwell’s equations and solved together
through the auxiliary differential equation (ADE) method.
A Runge-Kutta time-stepping scheme is proposed to
update the semi-discrete transformed Maxwell’s
equations and ADEs with high order accuracy. Then we
employ the proposed algorithm to analyze an infinite
doubly periodic frequency selective surface (FSS)
operating in the optical regime that exhibits transmission
enhancement due to the surface plasmatic effect. The
accuracy and the efficiency enhancements are validated
through a comparison with commercial simulation
software. This work represents the first integration of
MDM with DGTD, which enables the DGTD algorithm
to efficiently analyze metallic structures in the optical
regime.

Index Terms — Auxiliary Differential Equation (ADE)
method, Discontinuous Galerkin Time Domain (DGTD),
Frequency Selective Surface (FSS), Modified Debye
Model (MDM), prism elements.

I. INTRODUCTION

The necessity of handling dispersive media is
important to several applications. For example,
applications in optical electromagnetic wave therapy,
imaging, and bio-electromagnetic hazards require the
simulation of waves in biological tissues that are
inherently  dispersive.  Similarly, undersea and
underground penetrating radar applications assume
geological media that are also inherently dispersive.
Optical or terahertz frequency selective surfaces (FSS)
[1]1-[3], electromagnetic band gap (EBG) structures [4],
and engineered materials (e.g., metamaterials) [5]-[9]
are also inherently dispersive. These structures, which
are comprised of a repeating metallic pattern, have a
wide range of applications in electromagnetic and optical
engineering. Several closed form mathematical models
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have been proposed to represent material dispersion
properties. For example, researchers have used the
Debye model to simulate the relaxation property, the
Lorentz model to represent the resonance process, and
the Drude model to take into consideration cold-plasma
features. Moreover, the auxiliary differential equation
method (ADE) was proposed to circumvent the time-
consuming convolution operation. It was originally
introduced in conjunction with the finite difference time
domain (FDTD) technique [10], [11], and then also
implemented in FETD [12] and DGTD [13] methods.
The DGTD technique has become the subject of much
attention due to its high degree of accuracy, which stems
from flexible meshing and high order basis functions.
Moreover, it is efficient because of its suitability for
element-wise parallelization. More recently, a
combination of different models, namely the generalized
dispersion model (GDM), was incorporated into DGTD
to facilitate full wave simulation of dispersive materials
[14]-[22].

The conventional Debye model is widely used to
model dispersive dielectric materials in the microwave
regime. However, it cannot accurately represent metals
that are dispersive in the optical regime. By adding
an extra conductivity term, the modified Debye model
(MDM) has been used in the FDTD method to model
dispersive metals in the optical regime [10], [11]. With
the additional conductive term, the degree of freedom
of MDM is the same as the Drude model. Therefore,
research shows that these two models can be viewed as
mathematically equivalent. The MDM model is capable
of representing Drude-like metals in the optical regime,
while keeping the simplicity of the Debye model.
Therefore, it can be easily adapted by researchers
familiar with microwave Debye materials to explore the
dispersive properties in the optical regime. Many studies
have been performed to determine the optimal parameter
settings for MDM that accurately fit experimental data
over a broad frequency band [23]-[25]. However, there
has apparently been no prior work done to incorporate
MDM with DGTD to facilitate the efficient modeling of
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dispersive metals.

This paper presents the first integration of the
MDM and DGTD methods. It enables a prism-based
DGTD algorithm to efficiently analyze dispersive planar
metallic structures in the optical regime. A frequency
selective surface (FSS) composed of a gold film with a
periodic array of air holes was analyzed to validate the
accuracy and efficiency of the proposed algorithm. In
Section Il, the prism-based DGTD method with the
MDM is presented. A numerical example is shown in
Section 1ll to validate the accuracy and efficiency
improvement of the proposed method.

1. FORMULATION

In order to take into account the material dispersion
of metal in the optical spectrum, researchers have
collected experimental data. In order to fit the measured
data, and to conduct associated time-domain simulations,
various methods have been proposed. Krug et al. have
attempted to extract gold parameters in the near-infrared
range. But their results deviate significantly from
accepted experimental values [23]. Jin et al. have
recently determined gold parameters applicable in the
wavelength range 550-950 nm [24]. More recently,
Gai et al proposed a series of modified Debye model
parameters for metals that are applicable for broadband
calculations [25]. The conventional Debye model was
modified by adding an extra conductivity term to better
represent metal’s dispersive performance at optical
frequencies:

£s—Eco o
& =&t 1
r ® dtiwt  iwey' (1)

where €, is the complex relative permittivity, 5 and &,
are the zero-frequency (static) and infinite-frequency
relative permittivity values, respectively. w is the
angular frequency, while the component iw in the
frequency domain represents the engineering convention
corresponding to time-varying fields as e'“t. Here ¢, is
the permittivity of free space, 7 is the relaxation time,
and ¢ is the introduced conductivity. We should also
note that Eq. (1) represents a purely mathematical model
and, therefore, is not based on any physical description
of separating bound charges and free charges or the
associate currents [26].

Figure 1 demonstrates the material dispersion of gold
as determined from experimental measurements and
from the modified Debye fitting model. The parameters
of the model are set as: ¢, = —15789, &, = 11.575,
o =1.6062 x 107 S/m, and t = 8.71 x 10~ 5s [25].
As shown in Fig. 1, both the real and the imaginary parts
of the modified Debye model permittivity agree well
with those obtained from the measurements [27]. Hence,
it can be concluded that the modified Debye model
with the indicated parameters is accurate over a broad
frequency band: 250 THz to 428 THz. The bandwidth of
the model spectrum is limited physically by the existence
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of inter-band transitions, which are not accounted for in
the MDM.

0

Relative Permittivity

250 300 350 400
Frequency THz

Fig. 1. Comparison between the relative permittivity of
gold from the modified Debye model (MDM) and from
experimentally determined results (Exp) [27].

Previously, the modified Debye model has been
incorporated into the FDTD method [10]-[11], [25]. In
this work, and for the first time, we integrated the
modified Debye model with DGTD for accurate and
efficient computation of dispersive material systems.

By considering the displacement current J, = iwD,
the conductivity in (1) can be incorporated into Ampere’s
equation with the MDM term:

VxH=0E+ iweosmﬁ +]7,, 2
where E and H represent the frequency domain (bold)
electric and magnetic field vectors, respectively, while

the introduced polarization current vector]: is defined as:
d . Es—Eoo\ P
Jp = iweo(GE. )
Through application of an inverse Fourier
transformation, (3) can be recast in the form of an
auxiliary differential equation (ADE):
@ _ So(fs—gao)d_ﬁ _ E (4)
dc T dt T
Here, the ADE in (4) only contains a first-order time

derivative term. Solving this is more efficient than for
models with higher order time derivative terms.
Accordingly, the dispersive form of Maxwell’s curl
equations can be transformed into the time domain as:
aH =
Hrtto— = =V X E, ®)
6§+ersoi—f+]_p)=v><1-_f, (6)
where E, H, and ], are the electric, magnetic and
polarization vectors in the time domain (unbold).
Suppose that the computational domain is split into
N non-overlapping prismatic elements Q,,, where the
electric and magnetic fields, as well as the electric



polarization vector are expanded by the basis functions
BL(r):

E7(r,t) = IV emM(DBM (1), (7)
Hi(r,£) = X0 pm ()@ (r), (8)
JE(r,t) = zl NG G) (9)

where Ng*, Ny, and N;™ represent the number of basis

functions for E, H andE in element m, respectively.

The integration of the DGTD method and the MDM
outlined in the previous section is independent of the
element type. But for planar structures such as FSS and
metasurfaces, it is more optimal to discretize them into
triangular prisms instead of conventional tetrahedrons.
The prismatic discretization of space will not only reduce
the element number, but also improve the mesh quality,
which is often problematic for a tetrahedral-based mesh
when dealing with very thin layer structures.

To model the curl operator in Maxwell’s equations,
we introduce a numerical upwind flux that is based
on the Rankine Hugoniot jump relations. Then, by
performing Galerkin testing over Maxwell equations,
and taking into account the numerical flux and MDM
term, we obtain the following DGTD semi-discretized
matrix equations

de™ m~ mpm mmf m
dat soeoo {M [S h™ + Zf 1(F +
—mn, Mg
F;"rgnfen mmfhf mnfh}‘L) +,8 Fm ] _
oe™ —gj"}, (10)
dh
7 = M /oty - [ Spte™ + Zf 1(Fr;llm'fh}n +
Eav e+ B em 4+ it er) + B - F’"MS], (11)
ap™ _ (esmeo) de™ T (12)
dt T dt T’

where M, S, and F denote the mass matrix, the stiffness
matrix and the flux matrix, respectively, whose detailed
definitions can be found in [22]. The quantities e™ and
h™ are the electronic and magnetic column vectors
containing the unknown coefficients in element m. The
coefficients with a subscript f correspond to those on face
f between element m and n. If the face f is on the
excitation port, 8 = 1; or else, B = 0. Note here that the
o and E terms introduced in (4) are incorporated into (12).

Next, the fourth-order four-stage explicit Runge-
Kutta method (ERK) is adopted by setting the operator
L;(u, t,) equal to the right-hand side of (10), (11), and
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(12):
k™ = Li(uy', tn)
k@ =g (um +26t- kW, ¢, + 36t)
13 n 2 r'n 2
@) =, Ist- k@ 1
k —Ll(u,’{l+26t k ,tn+25t) ,
k® = £;(ul + 6t - k®, ¢, + 6t)
ull,, =ull + =5t (k@ + 2k@ + 2k® + @)
(13)

where k(=% are the partial terms associated with the
ERK method, while u{” represents the unknowns e;”,

h{, or jiwhen solving for the electric field, magnetic
field, or the polarization current vector at time step t,,,
respectively. Also, &t is the maximum time-step size for
the DGTD mesh, which is determined by the Courant-
Freidrichs-Lewy (CFL) condition [16]. The physical
time is equal to t,,dt.

It should be noted that (12) contains the term ‘:”—:1,

which can be substituted with the right-hand side of (10).
Therefore, it is efficient to arrange the iteration order to
avoid redundant computation in the following way:

Step 1: Calculate k(l) and k(l) using (10) and (11)

Step 2: Calculate k(™ from (12) by setting £— = k(Y
in Step 1.

Similarly, always calculate k™ before kj(m), and then

calculate k].(m) by setting ';—f = k™, where m=1, 2, 3, 4.

I11. NUMERICAL EXAMPLES

A. Reflection and transmission of a thin gold film

To validate the accuracy and convergence of
the proposed DGTD + MDM method, we first studied
a simple example in which a planewave propagates
through a thin gold film upon normal incidence. The
analytical results of the transmission and reflection can
be derived from closed-formed Fresnel equations.

The gold film has a thickness of 5 nm. It is
illuminated by a sinusoidally modulated Gaussian pulse.
The transient response of the reflection and transmission
coefficients is shown in Fig. 2 (a) with a mesh
configuration consisting of prismatic elements. Through
Fourier transformation, both the reflection and
transmission coefficients can be recovered as shown in
Fig. 2 (b). The results of the proposed DGTD + GDM
algorithm match very well with the analytical data. As
can be seen, a thin gold film becomes more transparent
as the frequency increases, within the targeted spectral
range.
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Fig. 2. Simulated results of the plane wave passing
through a thin gold film. (a) The amplitude of the
transient S-parameters. (b) Comparison of the frequency
domain S-parameters from the prism-based DGTD
with the modified Debye model and from the Fresnel
equations. (c) Convergence plot showing accuracy
improvement along with the refined mesh size.
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p=600 nm

Fig. 3. Geometry of the unit cell of a gold nano-hole
array frequency selective surface and its prismatic spatial
discretization.

In order to investigate the accuracy of the proposed
DGTD + GDM method, the relative errors of the
numerical and analytical results are depicted as a function
of the mesh size. Fig. 2 (c) shows the convergence plot
which provides a means for quantifying the degree of
accuracy improvement against refinements in the mesh.
The algorithm was tested for different mesh sizes, where
a measure of the accuracy was determined from the root
mean square error (RMSE), which here is defined as:

DGTD+GDM

Ng _p/TAnalyticaly2
RMSE = le /T BT C 14

Ny
such that the performance was compared at Ny sampling

frequencies. The convergence test was done with center
frequency of 360 THz.

B. lllumination on a thin gold hole array

At this point we apply the prism-based DGTD
method with the MDM to compute the S-parameters of
a representative FSS structure for validation. Fig. 3
illustrates a single unit cell of the doubly periodic infinite
FSS. The unit cell of the FSS under consideration
contains a thin layer of a nano-hole array, where the gold
film has a thickness of 50 nm. The 150 nm radius holes
are spaced with a 600 nm lattice period [15]. Prismatic
mesh cells represent the optimal discretization for such
thin planar structures. The excitation of the normally
incident field is modeled by a magnetic current with an
amplitude corresponding to a sinusoidally modulated
Gaussian pulse in order to generate a wideband response.

Figure 3 also depicts the prismatic spatial
discretization utilized by the proposed algorithm. The
minimum element length is about 34 nm, while the
time step &t is set to 9.5 atto seconds. As can be seen,
compared with a conventional tetrahedral mesh, the
prismatic mesh represents the optimal choice for



discretizing such planar structures.

S-parameters are a typically used metric to
demonstrate the frequency dependent performance of an
FSS. To extract the S-parameters, we expand the electric
coefficient corresponding to the mode distribution at
the input and output wave port j. The transient results
generated by the prism-based DGTD with the modified
Debye model are shown in Fig. 4 (a). A total of 6,000
time steps were computed, corresponding to nearly 58
femto-seconds. In order to demonstrate the frequency
selective property, the transient S-parameters shown
in Fig. 4 (a) are Fourier transformed to the frequency
domain and plotted in Fig. 4 (b). For comparison, Fig.
4 (b) also contains the simulated result obtained from
the commercial CST software package [28]. Since most
commercial software packages, including CST, are not
able to simulate MDM materials, the comparison was
made with simulation results from CST’s frequency
domain solver (FEM) using imported experimental
dispersion data [27]. Figure 4 (b) shows that the result
of the proposed algorithm yields good agreement with
CST. Some minor disagreement exists because of the
difference between the frequency- and time-domain
methods, as well as the discrepancy between the
experimental material dispersion and the modified
Debye fitting model. Moreover, the prism-based DGTD
with the MDM algorithm requires only 45 seconds to
perform the computations, while the CST software with
default settings consumes 93 seconds, as shown in Table
1. This computational efficiency enhancement comes
from the optimal spatial discretization enabled by
prismatic elements, the first-order derivative modified
Debye model, and the ease by which parallel computing
can be utilized within the DGTD framework.

The gold nano-hole array demonstrates band-
pass performance, with a remarkable transmission
enhancement observed at 390 THz. As presented in [29],
this type of extraordinary transmission behavior can be
primarily attributed to the excitation of a surface plasmon
at the metallic hole array structure interface. Concisely,
the incident light couples into electromagnetic surface
waves (i.e., surface plasmon polaritons (SPPs) at the
metal-dielectric interface), which then radiate through
reciprocal interactions with the structure. This, in
turn, produces unique features in the transmission and
reflection spectra. The numerical simulations were
performed on a laptop with a 2.6 GHz Intel i6700HQ
CPU, 4 cores, 8 threads, and 16 GB of memory. The
algorithm has been fully parallelized with all 8 threads
using OpenMP.
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Table 1: Comparison of the number of elements, number
of unknowns, CPU time, and memory consumption for

different methods

Method Tetra CST | Prism DGTD
FEM + Exp + MDM
Number of Elements* 12,105 7,168
Number of Unknowns 79,344 193,536
CPU Times (s) 93 45
Memory (MB) 923 1,978

* For better comparison, the tetrahedral and prism meshes in this
table have the same upper bound of mesh size (element length).
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1V. CONCLUSION

A prism-based DGTD algorithm together with a
modified Debye model was proposed for simulating
electromagnetic fields of planar metal structures (e.g.,
FSS and metasurfaces) that are dispersive in the optical
spectrum. The ADE method and a high-order Runge-
Kutta scheme were introduced as effective methodologies
for integrating the modified Debye model into DGTD.
The proposed algorithm was then used to simulate an
FSS consisting of a gold film with a patterned nano-hole
array, which was shown to exhibit enhanced
transmission at a specific frequency in the optical regime
due to the surface plasmatic effect. The extracted S-
parameters agree well with the results produced by
commercial software packages. Moreover, the DGTG
formulation was found to be more efficient than the
commercial solvers due to the prismatic elements, the
first-order derivative modified Debye model, and the
ability to readily exploit parallel computing architectures.
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Abstract — Particle swarm optimizer is one of the
searched based stochastic technique that has a weakness
of being trapped into local optima. Thus, to tradeoff
between the local and global searches and to avoid
premature convergence in PSO, a new dynamic quantum-
based particle swarm optimization (DQPSO) method is
proposed in this work. In the proposed method a beta
probability distribution technique is used to mutate the
particle with the global best position of the swarm. The
proposed method can ensure the particles to escape
from local optima and will achieve the global optimum
solution more easily. Also, to enhance the global
searching capability of the proposed method, a dynamic
updated formula is proposed that will keep a good
balance between the local and global searches. To
evaluate the merit and efficiency of the proposed
DQPSO method, it has been tested on some well-known
mathematical test functions and a standard benchmark
problem known as Loney’s solenoid design.

Index Terms — Design optimization, probability
distribution, quantum mechanics, searched based technique.

I. INTRODUCTION
Over the last few decades, random optimization
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methods, including evolutionary technique and swarm
intelligence, such as genetic algorithm (GA), evolutionary
strategies (ES), genetic programming and evolutionary
programming (EP) have been used to solve different
global optimization problems. These techniques are
inspired by different natural evolutionary phenomena.

Many efforts have been made to develop a global
stochastic technique for hard optimization problems.
Some of the latest updated literature is recorded in the
following paragraph.

An adaptive null-steering beamformer based on Bat
Algorithm for the uniform linear array was presented in
[1]. The optimization of radome-enclosed antenna arrays
was proposed to compensate the distortion error of
radome-enclosed antenna arrays [2]. A radiation pattern
synthesis of non-uniformly excited planar arrays was
presented [3]. An updated version of artificial immune
system algorithm was proposed for electromagnetic
applications [4]. A new quantum-based approach was
proposed for the electromagnetic applications in [5]. An
improved particle swarm optimization was applied to
electromagnetic devices [6]. A hybrid harmony search
method and ring theory based evolutionary algorithm
was presented for feature selection [7]. A newly emerging
nature inspired optimization algorithms were reviewed
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in [8]. A pareto optimal characterization of a microwave
transistor was presented [9]. A multiple black hole
inspired meta heuristic searching method was proposed
to optimize the combinatorial testing [10]. In [11], a
whale optimization technique based on lamarckian
learning was proposed to solve global optimization
problems. A quantum inspired particle swarm method
with enhanced strategy was applied to optimizing the
electromagnetic devices [12]. An improved quantum
particle swarm method was applied to solve the
electromagnetic design problem [13].

Thus, a continued research and development is
needed to search a global optimizer to optimize hard
engineering design problems. However, according to the
no free lunch theorem, all these optimizers are problem
oriented, so, an effort is required to seek a global
optimizer. In this context, some modification has been
proposed in this work for the optimization of Loney
solenoid design.

Moreover, particle swarm optimization is an essential
member of a broader class of swarm intelligence. This
method originated in 1995 by John Kennedy and Robert
Hart as an imitation of insect’s social behavior [14].

Since 1995, many efforts have been made to make
PSO a global optimizer. Consequently, introducing the
quantum mechanics into PSO, called quantum behaved
particle swarm optimizer (QPSO) [15]. The numerical
results on some widely used benchmark problems have
demonstrated the superiority of QPSO over basic PSO.
However, there are still many issues in QPSO that
needs to be addressed. In this context, a new mutation
phenomenon is applied to the particle with the global
best position of the swarm that will avoid the premature
convergence and significantly improves its global
searching capability. Also, a parameter updated formula
is proposed that will bring a good balance between the
local and global searches. Thus, a dynamic quantum-
inspired particle swarm method (DQPSO) is applied to
Loney’s solenoid design as reported in this work.

I1. QPSO APPROACH
The trajectory analysis [16] illustrates that the PSO
convergence behavior can be guaranteed if each particle

converges to its local attractor pi = (p,,, P, ,,.ceeees Do)
of which the coordinates are:
P (1) = (c,p, (D) +c,p, (D) / (¢, +¢,), oy

or p()=¢-p,t)+1-9)-p, (1),
where g =cr, /(cr, +c,r,). It has been shown that the

local attractor is stochastic of particle i and lies in a hyper
rectangle with p; and pg are the two ends of its diagonal.

In quantum potential delta model [15], the position
of a particle is given by:

KO= OS2 ar). @

ACES JOURNAL, Vol. 36, No. 1, January 2021

In [14], a parameter L(t) is defined as:
L(t)=2-4-[p. () -x 0. 3)
Then the position is updated as follows:
X (t+1)=p O +4[pO-xO]-InA/u), (@)
where u is a random number within the interval [0,1], S
is the contraction expansion coefficient (CE) parameter

and is used to control the convergence behavior of the
QPSO and is represented by:
£ =05+ (1.0-0.5)(Maxiter —t) / Maxiter . (5)

This parameter is initially set to 1 and then linearly
decreased to 0.5.

To evaluate L(t), the mean best position is defined
as the average of the personal best position of the swarm,
ie.,

where N represents the swarm size. The parameter L will
become,

L(t) =2 B-|m(t) —x, (t)]. @)
Thus, the position of particles will be updated as:
X t+D = pO+B-[m®)-x O - W/u). (@)
The equation (8) is called the position updated equation
of the quantum particle swarm algorithm.

I11. PROPOSED METHOD

The quantum inspired particle swarm method has
many issues, especially when dealing with complex
optimization problems. Because at the start of the search
process, the diversity of the algorithm is high, however,
it reduces quickly at the later stage of the evolution
process. Thus, to improve the QPSO performance in
terms of the final solution searched and convergence
speed much effort has been made and different variants
of QPSO have been developed. However, most of
these methods are problem oriented. Thus, a continued
research and development is needed to develop a global
optimizer to optimize complex design problems.

The mutation phenomena were brought from the
evolutionary algorithm to maintain the diversity of
the population. Thus, it plays a vital role in exploring
the searching capability of the algorithm. Different
approaches such as Gaussian, exponential, Cauchy etc.,
and other probability distributions methods are used to
produce random numbers and improve the position
updated equation of QPSO. Thus, a new outcome has
been presented for the mutation operator in QPSO by
using the beta probability distribution method. The
proposed DQPSO method will be ensured to keep the
high diversity and avoid trapping into local optima. The
flow chart of a proposed DQPSO is given in Fig. 1.



A. Introduction of a mutation operation
A beta mutation mechanism is applied to the global
best (Ghest) position of the particle to intensifying the
diversity of the swarm and avoid the particles from being
trapped into local optima. Hence, it will also improve the
QPSO performance in terms of the solution quality and
global searching capability.
In this method, the beta mutation is combined with
the Gpest particle as follows:
G, aes =G +beta(rand), 9)

where beta(rand) is the random number generated with
the beta probability distribution method.

The proposed mutation strategy will enhance the
searching capability of the proposed DQPSO method.
Hence, the mutated particle will explore more searched
area to achieve the best optimal outcomes and avoid the
algorithm to trap into local minima.

B. Parameter updating mechanism

The contraction expansion coefficient (CE) £ isthe
control parameter used for tuning the proposed DQPSO.
It plays a vital role in controlling the convergence speed
of the proposed DQPSO method. Therefore, different
researchers have proposed different mechanisms to tune
this parameter [16]. The general mechanism for this
parameter is to set to 1 and reduced linearly to 0.5
initially. It also plays a vital role in maintaining a right
balance between the local and global searches. However,
if the parameter is not adjusted correctly then it may
disturb the local and global searches and the algorithm
will be trapped into local minima. Thus, to address this
issue, it is significantly essential to adjust the value of S
parameter properly.

Therefore, a new dynamic updated strategy for S
parameter is proposed to maintain a good cooperation
between the exploration and exploitation searches and
avoid the proposed DQPSO method to stuck into local
minima:

0.5

B=1+ (10)

109(G, iueq +0.2)

The relationship between the S and Gmutaes Parameters
is shown in Fig. 2. It should be noticed from Fig. 2, that
if the individual (particle) is far away from the mean best
position, then one expects a small value of £ to help it
come back; In contrast if the particle is just near to the
mean best position, then one prefers a high g to force it
to bounce away. This will bring a good balance between
the local and global searches and avoid the algorithm to
trap into local minima.
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t=t+1 Has DQPSO found

an Optimum?

Has the Process
Reached Number
of Maxiter?

Fig. 1. Flow chart of the proposed DQPSO method.

IV. NUMERICAL RESULTS
To evaluate the performance and global searching
capability of the proposed DQPSO algorithm, first
three benchmarks shifted versions of mathematical test
functions [17] are used as reported:

D
f(x) = El(jtllzi)z +f_bias;, 2= X=0,X =[x, Xy Xp].

X e [-100,100]° .
Global optimum: x*=0, f,(x*) = f _bias; =-450, (11)

f (x)—g(loo (... —22)? +(z; -1)?)+ f _bias

2 _|=1 i+l I 1 — 21

2= X=0+1,X = [X, Xy, s Xp ], X € [-100,200]°.
Global optimum: x*=0, f,(x*) = f _bias, =390, (12)

f L 2.2 Feos(iy+1+f _bi
X)=— Z:~ — 1] COS(—= 1aS,,
3 400051' ") (ﬁ)+ DS

2=X-0,X=[X,X,..., Xpl, X € [—600,600]D.
Global optimum: x*=0, f5(x*) = f _bias; =390. (13)
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Fig. 2. Relationship between g and Gbest (mutated).

The proposed DQPSO is then compared with the
basic QPSO [15], LTQPSO [18] and MQPSO [19]
methods.

All these functions are minimization problems and
the minimum value for each objective function is zero.
Table 1 presents the average performance comparison
of different optimizers. Moreover, Figs. 3~5 gives the
convergence comparison of the proposed DQPSO with
other optimal methods in a logarithmic scale of the best
objective function on three well-known test problems
using the swarm size of 80 with the number of iterations
is 2000 for the 30-dimension problem.

It can be illustrated in Table 1 that the proposed
DQPSO and MQPSO have a good performance on most
of the shifted version problems. However, the QPSO and
LTQPSO could not produce better outcomes and falls
into local minima. Thus, it is concluded that the proposed
DQPSO improved significantly as compared to other
tested optimizers.

Table 1: Mean (first row) and variance (second row) of
different optimizer for 30-dimension problems

Algorithms f,(x) f,(x) f3(x)
pso | 5:9342x10° | 01376 | 3.0716x107
2.8627x100 | 3.8620x102 | 4.8620x103
1.23924 509100 | 2.9314x102
LIQPSO | 5 38211 052149 | 7.6824x10*
11339107 | 7.8273x102 | 5.8461x10°7
MQPSO | 5 7820x103 | 5.7432x10° | 1.6560x107
DQPso | 3:4182x10° | 8.2016x107 | 6.2041x10°
1.5086x10Y7 | 5.2791x10% | 5.3942x10110

V.LONEY’S SOLENOID BENCHMARK
PROBLEM

To validate the proposed DQPSO performance for
electromagnetic design. It is used to solve the Loney’s
solenoid problem. The literature has several references
to optimization techniques that have been applied to
Loney’s solenoid design [20]-[22].

Loney’s solenoid is a standard nonlinear benchmark
problem in magnetostatics inverse problems [20]. Figure
6 show the upper half plane of the axial cross section
of the system. Loney’s solenoid problem’s key point is
to find the position and size of two correcting coils to
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produce an approximate constant magnetic field in the
interval of the axis.
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The Loney’s solenoid problem has two variables,
which are s and |, and the optimization problem is aiming
to find the global minima of f (s, I), i.e.,

min f(s,1). (14)
The objective function f can be formulated as:
Bmax — B.+;
f(s,l)=_% “min (15)
Bo

where Bmax and Bmin represent the maximum and
minimum value of the magnetic flux density within the



interval (=zo, o), respectively; and By is the magnetic
flux density at zo = 0.
In particular, three different “areas” can be

recognized in the domain of f with values of f > 4.1078
(high level region), 310 < f <4.10° (low level

region), and f <3-10°° (very low-level region—global

minimum region). The very low-level region is a small
ellipsoidal shaped area within the thin low-level valley.
In both very low- and low-level small changes in one of
the parameters can give rise to changes in objective
function values of several orders of magnitude.

Correcting coil Correcting coil ri=0.011m
r2=0.029m
r3=0.030m
Main Coil r4=0.036m
20=0.0025m
h=0.12m

. n -20 20 P I 7

Fig. 6. Upper half plane of the axial cross section of
Loney’s solenoid problem.

Table 2: Comparison of different optimizer for Loney
solenoid problem

f(s,1)x10°°
Optimizer: Minimum Mean SD Maximum
(Best)

LTQPSO 3.7416 8.5294 | 3.8926 | 14.7682
QPSO 3.6792 5.2867 | 2.2496 8.7293
MQPSO 3.5728 6.5934 | 1.7454 8.6719
QBSO 3.3990 3.5749 | 0.7295 47614
DQPSO 3.3876 3.4982 | 0.9837 47428

Table 3: Best solution for Loney solenoid problem

Parameters Computatlon

L Time

Optimizer
sicm) | Iem) | f(s,1)x1207

LTQPSO | 14.60984 | 15.8997 3.7416 1729
QPSO | 13.9675 | 5.4006 3.6792 1688
MQPSO | 13.2813 | 3.3107 3.5728 1667
DQPSO | 11.8301 | 1.6496 3.3876 1598

For a fair comparison, this case study is solved
using the proposed DQPSO method, original QPSO [15],
LTQPSO [18], MQPSO [19] and the results obtained
by the QBSO method [22] is taken from literature for
comparison.
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Moreover, each optimizer is run independently 30
times with the corresponding number of maximum
generations is 200. The optimal outcomes of different
algorithms are tabulated in Table 2.

It can be concluded from the outcomes of Table
2 that the proposed DQPSO outperforms LTQPSO,
QPSO, MQPSO and QBSO methods on minimum (best)
objective functions values.
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Fig. 7. Comparison of different optimal methods solving
Loney Solenoid design.

Since the iterative number is an appropriate
parameter to measure the computational time, and one
can evaluate the computational efficiency using this
parameter as shown in Table 3.

One can also analyze from the statistics of Fig.
7, that QPSO has the weakness of slow convergence
behavior and is pertinent to trap into local optima.
Though DQPSO has a fast convergence behavior, it
is easy to avoid the local optimum. Thus, it can be
illustrated that the proposed DQPSO avoids a possible
local stuck and tradeoff between local and global
searches. The new mechanism of mutation methodology
and dynamic parameter can enhance the diversity of
population and solution quality. As a result, the proposed
DQPSO performance is much better than other tested
optimizers.

V1. CONCLUSION

An improved version of quantum inspired particle
swarm method has been presented in this work for the
optimization of loneys solenoid design. The proposed
dynamic QPSO was tested on some shifted version
benchmark functions and loneys solenoid problem. The
numerical outcomes and statistical analysis illustrate the
merit and efficiency of the proposed DQPSO method as
compared to other tested optimizers. Thus, the proposed
method has significantly improved its solution quality
and achieved an optimal solution for the tested problems.
However, for future work, the proposed DQPSO method
will be applied to other engineering design problems.
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Abstract — Power electronic devices and electrical
equipment produce a large quantity of radiated
electromagnetic interference (EMI) in the working
process. Electromagnetic field analysis method of the
near-field and far-field of the antenna can be employed
to separate the radiated interference noises. However, the
method has low separation accuracy and requires a lot
of time. A novel method based on joint approximate
diagonalization algorithm (JADA) to separate the
radiated EMI noise is proposed in this paper. Compared
with the traditional independent component algorithm
method, the accuracy is improved by 14% and the
efficiency is increased by 30%. The common-differential
mode mixed noise source is taken as the experimental
object to demonstrate the effectiveness and simplicity of
the proposed method.

Index Terms — Common-differential mode mixed
source, JADA algorithm, noise separation, radiated EMI.

I. INTRODUCTION

With the increasing integration and complexity,
power electronic device radiates a large number of
electromagnetic interference (EMI) noises, which leads
to the abnormal operation of other devices and electrical
equipment around [1-5]. In order to control the radiated
EMI within a safe range, the prediction and separation of
radiated EMI noise sources have become a burning issue
to be solved [6-8].

Electromagnetic field analysis methods are widely
used in the research of radiated EMI noises at the
moment. A novel method has been proposed to predict
the far-field radiation using the magnetic near-field
component on a Huygens’s box in [9-10], the effect of
inaccuracy of magnetic field and the incompleteness
of the Huygens’s box on far-field results has been
investigated. The radiated EMI has been designed as
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a time harmonic electromagnetic wave in [11], 3D
finite elements (3DFE) model has been used to evaluate
the different distributing effects that the switching
frequencies may have on the radiated EMI. The far-field
radiated EMI emission of a power converter caused by
common-mode current on attached cables has been
demonstrated in [12-13], and an antenna model has
been developed to estimate the far-field radiation of a
power converter. A Green’s function approach for the
computation of broadband stochastic radiated EMI field
energy densities has been presented in [14], which
predicted and separated the far-field radiated EMI.
Symmetrical component theory has been applied to
analyze the characteristics of EMI noises in power
electronic system in [15-16], and a multiphase noise
separator has been built. A method for the measurement
of the field generated by multiple uncorrelated sources
has been proposed in [17-18], the contribution of
each source has been determined with the assistance
of the blind signal separation technique. Therefore, it
is meaningful to separate the radiated EMI noise
effectively.

The above methods can separate the radiated EMI
noise to a certain extent, but there are still some defects
that need further improvement, for example, it is
necessary to use electromagnetic field analysis software,
which has a large amount of calculation and low
precision. The motivation of this paper is to propose a
JADA-based method, which can be used to separate the
radiated EMI noise. Compared with the Electromagnetic
field analysis method, the JADA algorithm separates
the radiated EMI noise from the perspective of signal
analysis, the amount of calculation of JADA algorithm
is smaller, which can separate the radiated EMI noise
more accurately and more efficiently. To verify the
validity of the proposed method, both simulation and
experiment are presented.

https://doi.org/10.47037/2020.ACES.J.360106
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I1. SEPARATION OF THE RADIATED EMI
NOISE BASED ON JADA ALGORITHM
A. Radiated EMI source
In this section, a radiated EMI noise source model is
established, as shown in Fig. 1. There are n noise sources
in the model, the total radiated noises are formed by E;,

Ez Es, ..., En, Which are produced by each radiated
source.
SourceN /

/ ’ Sourcel
Vi

Fig. 1. Radiated EMI noise source model.

B. Separation of radiated EMI based on JADA

On the basis of independent component algorithm
(ICA), JADA algorithm is used to separate the radiated
EMI noise, which introduces the fourth order cumulative
quantity matrix of multivariate data, and performs eigen-
decomposition to separate the mixed signals.

Since the components of the radiated EMI noise are
independent of each other, JADA algorithm makes full
use of algebraic method, combines with matrix theory,
simplifies the algorithm, improves the robustness of the
algorithm. JADA algorithm has strong radiated EMI
noise separation capability, which can also separate the
small sensor noise in the original signal. In order to
ensure the feasibility of algorithm separation, the signal
to noise ratio (SNR) of the original noise signals is higher
than 6dB.

The signals of the radiated EMI noise source model
can be expressed as:

x(t)= Arst)= > Asit-p)t=12...

p=—0

s(t) = [5,(1),....s, O ,n=12,..., (1)
X(t) = [X,(),.... xa(t)]",

where x(t) are m mixed signals; s(t) are n radiated EMI
noise signals; A, is the hybrid filter, p is time delay:

YO =B, #x(t)= > B,As(t—p), 0
p=—c

where y(t) is a n-dimensional column vector and B is an
n*n matrix. The purpose is to find a separation filter By
such that y(t) is an estimate of the signals s(t).
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The principle of the JADA algorithm to separate the
radiated EMI noise signals includes mainly the following
three sections.

B.1. Zero mean processing

Zero mean is mainly to eliminate the constant in the
signal. The theory of blind signal separation is generally
based on the assumption that the original signal
component is zero mean, but the radiated EMI noise
signals cannot meet this condition, so it is necessary to
carry out zero mean processing on the actual data to
meet the theoretical premise, and build a reasonable
mathematical model. In fact, the zero mean processing
of data is the translation transformation of data, which
does not affect the overall distribution of data, but
change the range of data values. This processing method
is reasonable.

For the sampling data whose mean value is not zero,
formula (3) is used to make the data zero mean:

X'=X —E(X), (3)
where X is the collected radiated EMI data, E(X) is
mathematical expectation, and X’ is the data after the
zero mean. The actual sampling data is often discrete, so
the calculation is generally replaced by the arithmetic
average.

When x(t) is a fourier transform data with a mean
value not zero, the values in the vector xi(t) are all
complex numbers, and the zero mean processing can be
expressed as:

KO =X 0= X O =L2..00 (4)

B.2. Whitening processing

Whitening can remove the correlation between
the signals and make the second-order statistics as
independent as possible. In addition, whitening can
effectively simplify the algorithm and speed up the
calculation.

Whitening processing is a linear transformation of
the data, which can be expressed as formula (5):

X=TX, 5)
where matrix T is a whitened matrix; the correlation
matrix Ry of transformed random data % has the
following property:

R, =E[xx" ]=I, (6)
where | is a unit matrix.

So the purpose of whitening is to find the whitening
matrix T, which makes the data correlation matrix after
whitening become a unit matrix. This section uses the
eigenvalue decomposition method of correlation matrix
to realize whitening.

Suppose the covariance matrix of X is Cx, has:

C, = XX"=UAU", (1)
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where

A=Diag [, 2, A ], 8
where XT is the transpose matrix of X, UT is the transpose
matrix of U, Anis the eigenvalue of Cx; each column of
U is a eigenvector of Cx.

So the whitening matrix W, is:

1
W,=A2U", ©)

B.3. Eigen-decomposition transformation
Let Z be the signal after whitening:
Z=W,AS=WA *s(t). (10)
Suppose M is an n*n matrix, and the four-
dimensional cumulant matrix Qz(M) of Z is defined as:

[QZ(M)]ij =ZH:Zn:Kijk|(Z)mk|v Lj=12..n (11)

k=1 1=1
where Kijj(z) is the fourth-order tensor of the four
components i, j, k, I in vector Z.
Let V=W, A, according to formula (10), has:
Z=VS. (12)

Because the variance of the source signal S and the
whitened data Z is 1, each element in S is independent
of each other, and each element in Z is orthogonal to
each other, thus V must be orthogonal and unified. Make
M=vyvi", the fourth-order tensor matrix with M as the
weight matrix can be transformed into:

Q;(M) =M, (13)
where A=Kka(si) is the kurtosis of source s;, so M is called
the eigen-matrix of Qz(M), while A=ka(s;) is the eigen-
value of Qz(M).

So as long as the eigen-decomposition of Qz(M) is
completed, the eigen-matrix M and eigen-value A can be
obtained. If the kurtosis of each source are different, the
vi and /; are also different. We can get the column vectors
of V, and then we can get the independent components
of Ap.

When the eigen-values have multiple roots, the
results of formula (9) and formula (11) are unstable, so
the algorithm needs to be improved. The basic idea is:
according to formula (13), find a matrix V that can
diagonalize Qz(M) through VTQz(M)V:

A(M)=VTQ,(MV (14)
= Diag[k, (s, )v,Mv; ,...,K,(s,)v,MVv].

In fact, the result of taking only one matrix M is not
very accurate. We can use a group of matrix M = [My,
Mz, ..., Mp] to find Qz(M;) for each M;, and find matrix
V to satisfy the maximum possible diagonalization of
each Qz(M;) at the same time. The square sum of the non-
diagonal elements in VTQz(M)V can be used as a measure
degree of diagonalization:

Dy (V)= Y Off [V'Q,(M;V] (15)

M;eM

According to formula (11), if V is found to make the
criterion of Dw(V) minimum, the estimation A of the
mixed matrix and the estimation y(t) of the original
signal s(t) can be obtained:

A=TWV =TTV, (16)
y(t) =V TX(t). 17

C. Implementation steps of separating the radiated
EMI noise sources based on JADA algorithm

The radiated EMI noises are separated based on the
JADA algorithm in this paper, and the specific steps are
as follows.

Step 1: The mutually independence and identically
distributed radiated EMI noise signals s(t) are collected
by testing, and the mixed signals x(t) are obtained by
formula (1).

Step 2: Make the sampling data zero mean,
eliminate the constant in s(t).

Step 3: Design the whitening matrix W, remove the
correlation between the signals.

Step 4: Qz(M) is decomposed by formula (13), the
kurtosis of each source can be gained.

Step 5: Find V to make the criterion of Dwm(V)
minimum, according to formula (17), the estimated
signals y(t) can be obtained.

Step 6: For the purpose of judging the separation
performance of the JADA algorithm, the similarity
coefficient (SC) is applied to measure the approximation
between the source signals and the separated signals.
When SC is closer to 1, the separation effect of the
algorithm is better:

>0y, (t)‘ / SO V0. 09

SO

I11. SIMULATION OF THE SIGNALS BASED
ON JADA ALGORITHM

To verify the effectiveness of the proposed
algorithm, the separation simulation of the signals is
studied. As shown in Fig. 2 (a), sine signal (blue line),
trapezoidal wave signal (yellow line), sawtooth signal
(red line) and random signal (purple line) are created. A
four order hybrid filter is used to mix the signals, and the
waveforms are shown in Fig. 2 (b). According to the
JADA algorithm theory, the mixed signals are separated
into four mutually independent signals, the waveforms
of separated signals are shown in Fig. 2 (c). In addition,
the ICA algorithm is employed to separate signals, the
waveforms are shown in Fig. 2 (d).
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Comparing the source signals in Fig. 2 (a) with the
separated signals in Fig. 2 (), it can be concluded that the
mixed signals in Fig. 2 (b) can be successfully separated
into the four signals by the JADA algorithm, and the
separated results are similar to the source signals. The
similarity coefficient SC of the sine signal is 0.97, and
other three signals are 0.96, 0.95 and 0.96, respectively.
In addition, by comparing the results in Fig. 2 (c) and
Fig. 2 (d), it can be seen that the accuracy of JADA
algorithm is better than that of ICA algorithm. Therefore,
the JADA algorithm is employed to the signal separation.

Source Signals
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(c) Separated signals by JADA algorithm
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Separated Signals by ICA
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(d) Separated signals by ICA algorithm
Fig. 2. JADA algorithm characteristic simulation.

IV. EXPERIMENT OF THE RADIATED EMI
NOISE BASED ON JADA ALGORITHM

In this paper, the experiment of the common-
differential mode radiated EMI noises is made to verify
the effectiveness of the JADA algorithm. The experiment
layout is shown in Fig. 3. One end of the magnetic field
probe (R&S HZ-11) is connected to the channel of the
oscilloscope (R&S Tektronix DPO5204), and the other
end measures the radiated EMI noise.

Magnetic field probe

=

The common - differential mode

High- speed
oscilloscope

puoo O

// radiated EMI source
Magnetic field probe/ O /

Fig. 3. Experiment layout of radiated EMI noise.

As shown in Fig. 4, in this experiment, the 20M
crystal oscillator is used as common mode interference
source, and the 30M crystal oscillator is used as
differential mode interference source. The white noises
and the radiated EMI noises are obtained through the two
magnetic field probes and the high-speed oscilloscope.
The two probes are fixed, and distance between the
probes and the crystal oscillators is within 1cm. The
experiment white noises and the radiated EMI noises
generated by crystal oscillators are shown in Fig. 4 (a)
and Fig. 4 (b), respectively.

The JADA algorithm is applied to separate the
mixed signals obtained by the experiment, the separated
results of the common mode radiated EMI noise and the
differential mode radiated EMI noise are shown in Fig.
5 (a). Compared with the source noises, the SC of the
common noise and the differential noise are 0.97 and
0.96, respectively, which suggests that the JADA
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algorithm is feasible to separate the radiated EMI noises.

0 " " " L L
0 10 20 30 40 50 60 70 80 90 100

Radiated noises/dBuV/m

0 L L L L L L L
0 1020 30 40 50 60 70

Time/ms

(a) The common-differential mode white noises

6|

S _w

S

0 10 20 30 40 50 60 70 ;é_(b 90 100

Radiated noises/dBuV/m
S

i
80 90 100

a0 50 60 70
Time/ms

(b) The common-differential mode radiated EMI noises

Fig. 4. The common-differential mode radiated EMI
experiment.
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(b) Separated radiated EMI noises by ICA algorithm

Fig. 5. Common-differential mode separated radiated
EMI noises.

As shown in Fig. 5, compared the separated results
by JADA algorithm in Fig. 5 (a) with the ICA algorithm
in Fig. 5 (b), JADA algorithm can separate the radiated
EMI noises more accurately and more efficiently. The
SC of the two noises are shown in Table 1. It can be clear
seen that the JADA algorithm accuracy is 14% higher
than the ICA algorithm. In addition, from the number of
iterations in Table 1, it can be found that the JADA
algorithm is more efficient, with an increase of more than
30%. In addition, JADA algorithm introduces the the
fourth-order cumulant matrix based on ICA, which has
better generality.

Table 1: Comparison of separation characteristics of two algorithms

JADA Algorithm ICA Algorithm
Radiated Source Model Similarity CogﬁlClent_ Number of Similarity Coe_fﬁuent_ Number of
Common Differential ) Common Differential .
. . Iterations . . Iterations
Noise Noise Noise Noise
Common-differential mode 0.97 0.96 24 0.81 0.82 36
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V. CONCLUSION
A new radiated EMI noises separation method
based on the JADA algorithm is proposed in this paper.

Simulation and experiment results demonstrate that the
JADA algorithm can successfully separate radiated EMI
noise, which verify the validity of the separation method.
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Compared with the ICA algorithm, the accuracy and
the efficiency have been greatly improved. The work
provides the reference for separating the sources which
produce the radiated noise, and contributes to conduct
the targeted suppression research in the near future.
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Abstract — This paper proposes a dual-band wearable
monopole antenna adopting an electromagnetic band-
gap (EBG) structure, which operates at 2.45 and 5.8 GHz
ISM bands and is suitable for wearable applications.
Both the monopole antenna and the EBG structure are
fabricated on an F4B semi-flexible substrate having a
dielectric constant of 2.2. The EBG structure effectively
isolates the human body from the radiation of the
antenna and reduces the specific absorption rate (SAR)
of it by more than 97.5%. This improves the antenna
gain and the peak gain reaches 9.1 dBi at 5.8 GHz. The
wearable performance of the antenna showed that it can
sustain good performance even under realistic human
body loading. Besides, the antenna has a small size,
which makes it ideal for wearable applications.

Index Terms— Dual-band, EBG structure, low SAR
value, wearable antenna.

I. INTRODUCTION

In the last decade, wireless body area networks
(WBAN) received significant attention from the
researchers, and several applications, such as elderly/
child health monitoring, battlefield search and rescue,
and wearable watches, aroused [1-2]. As one of the
communication bands of the WBAN system, publicly
available 2.40-2.48 and 5.725-5.875 GHz scientific,
industrial, and medical (ISM) bands are assigned.

Wearable antennas for WBAN applications require
placement on the human body, which necessitates body-
related factors, such as bending deformation and high
loss to be taken into account during the design process
[3]. Furthermore, to avoid the potential impact of
radiation on human health, the SAR value of antennas
has to be minimized [4]. The literature has several
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designs of wearable antennas, where planar inverted F
antennas [5], monopole antennas [6-8], and microstrip
antennas [9-10] have been proposed for wearable
applications to achieve reasonable bending robustness.
However, due to their nearly omnidirectional radiation
characteristics, a large amount of electromagnetic energy
radiation penetrates the human body. Currently, isolating
the radiation of the antenna to the human body and
reducing the SAR value are challenging issues [11]. A
common method is to introduce an EBG structure [12-
19] into the wearable antenna design, thereby achieving
the purpose of separating the antenna radiation from the
human body, and greatly reducing the SAR value of the
antenna. However, the use of EBG also brings other
drawbacks, such as increment in the antenna size and
narrower impedance bandwidth.

This paper proposes a dual-band monopole wearable
antenna with an EBG structure. The wearable antenna
has small size and high gain characteristics compared
to the configurations in Table 4 reporting wearable
applications, which are applied to WBAN covering two
ISM bands: 2.40-2.48 GHz and 5.725-5.875 GHz.
Among them, the 2.45 GHz impedance bandwidth is
3.70% (2.40-2.49 GHz), where the 5.8 GHz impedance
bandwidth reaches 28.9% (4.85-6.49 GHz). The EBG
structure can significantly reduce the SAR value of
the monopole antenna by more than 97.5%. Besides,
the monopole antenna combined with EBG can still
maintain good performance during human loading.
These characteristics make the antenna suitable for
wearable applications.

Il. ANTENNA AND EBG DESIGN

A. Antenna design
This paper proposes a dual-band wearable monopole

https://doi.org/10.47037/2020.ACES.J.360107
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antenna with an EBG structure. The design dielectric
constant of 2.2 and a loss tangent of 0.007. It is fed by
a coplanar waveguide (CPW). Figure 1 (a) shows the
structure parameters of the antenna. The antenna was
simulated using the electromagnetic simulation software
HFSS 2019. The final design values of the proposed
antenna are as follows: W = 26, Wy = 22.4, Ws = 10.85,
L=26,L1=13.7,L,=125 R=55 Wf=3.3,g=0.5,
Le=2257, Lp,=21.57,L,=13.07,d,=d,=15,h=7,
Ls =12, s =2.25, ss = 0.5 (unit: mm).
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Fig. 1. Configuration of (a) monopole antenna and (b)
EBG unit.
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Fig. 2. Equivalent circuit of EBG: (a) equivalent
capacitance and inductance, (b) equivalent circuit diagram,
and (c) simplified equivalent circuit diagram.
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Fig. 3. Influence of the EBG structure parameters on the
reflection phase: (a) Lo; (b) Li.
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Fig. 4. Configuration of the antenna with the EBG
structure: (a) cross-sectional view, (b) top view, and (c)
prototype measured.

B. EBG design

The high-impedance EBG structure is obtained by
periodically arranging the metal patches on a dielectric
substrate, where the patches can be of various shapes.
As the frequency changes, the impedance of the EBG
surface shows a 0 — o0 — 0 behavior, which is 180° —
0° — -180° for the reflected phase. When the reflected
phase 6 is £180°, the EBG surface impedance gets
closer to 0, which is equivalent to the surface of a perfect
electrical conductor (PEC). The phase of the reflected
electromagnetic field is opposite to the phase of the
incident electromagnetic wave. When the reflected phase
6 is 0°, the surface impedance goes to infinite, and the
phase of the reflected electromagnetic field is in-phase
with the phase of the incident electromagnetic wave.
At this time, the EBG surface exhibits an in-phase
reflection. The frequency range of the +£90° near the
zero reflection phase belongs to the in-phase reflection
area, while the other frequency ranges belong to the out-
of-phase reflection area. Figure 1 (b) shows the geometry
of the designed EBG unit. The frequency range of the
reflected phase of the EBG unit —90° to +90°, can be
operated at 2.45 and 5.8 GHz ISM bands by adjusting the
structural parameters.

Figures 2 (a) and (b) show the equivalent circuit
diagram of the above-mentioned EBG structure to
further explain its suppression effect on the surface
waves. In these, C,, Ci, and Cs stand for the equivalent
capacitances between the adjacent unit cells, the outer
rectangular ring and the inner patch gap, and the top
layer and the ground plane, respectively. Also, L, and L;
respectively represent the equivalent inductance of the
upper metal patch and the inner rectangular ring patch,
where L3 is the equivalent inductance of the ground plane
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of the lower layer. Since the equivalent inductance of the
upper surface of the EBG unit is much smaller than the
equivalent capacitance, the series inductance-capacitance
element can be equivalent to a single capacitance element.
Furthermore, the capacitance C; can be ignored, and
hence the equivalent circuit can be further simplified as
shown in Fig. 2 (c). The surface impedance of the EBG
can be expressed as:

7 - 1 JjwLs

T1-wllC (1)

. 1
]wC+jw_L3

Then, the zero reflection phase point (6 = 0°) of the EBG
is:

1

Finally, the resonance frequency of the EBG is:
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Fig. 5. Simulated performance of the antenna with and
without the EBG structure and measured performance of
the antenna with the EBG structure: (a) S11; (b) gain.

By incorporating (2) into (1), we can get: Z — oo,
i.e., the surface impedance of the EBG goes to infinite.
The EBG structure has two zero-phase reflection points:
i) CL = C, + C; at the low frequency of 2.45 GHz, and ii)
Cuh = C, at the high frequency of 5.8 GHz. Hence,
by designing the zero-phase point of the EBG near
the resonant frequency of the antenna, the antenna
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performance can be improved.
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Fig. 6. The radiation pattern of the antenna in different
frequency bands.

The outer and inner rectangles of the EBG unit
determine the reflected phase resonance of the low and
high frequencies, respectively. Here, adjusting the inner
and outer rectangular parameters L, and Ly can change
the equivalent capacitances C; and C,. In this way, the
resonance frequency of the EBG structure can be
adjusted to work at 2.45 and 5.8 GHz. The effects of Ln
and L, on the reflection phase of the EBG structure are
analyzed, and the results are shown in Fig. 3 (a) and
Fig. 3 (b), respectively. The results indicated that L, can
control the resonance frequency of the low and high-
frequency bands, and the EBG unit can be obtained to
operate the isotropic reflection phase at 2.45 GHz by
adjusting Lm. When L, changes, only a large change
occurs at high frequencies, where the 2.45 GHz band
is almost unchanged, indicating that they have little
influence on each other. Hence, by adjusting L, the EBG
unit can obtain an isotropic reflection phase working at
5.8 GHz, thereby realizing the 2.45 and 5.8 GHz dual-
band. The size of the final EBG structure is optimized to
be 23 x 23 x 1.5 mm. Finally, the —90° to +90°
reflection phase bandwidth of the EBG structure is 2.41-
2.49 GHz and 5.66-6.07 GHz.

C. Antenna and EBG combination

Within the -90° to +90° reflection phase bandwidth
of the EBG structure range, the reflected wave from the
EBG will constructively interfere with the radiating
wave in the free space. However, the practical array size
needs to be determined since it is impossible to realize
the simulated infinite array. Small size is generally
desirable, however the resonating frequency of the
microstrip antenna and EBG reflector changes, and the
antenna does not operate adequately when the EBG array
is too small. This is because the parasitic capacitance



between the antenna and the EBG array affects the
performance of the whole structure [21]. Therefore,
when determining the period of the EBG array, it is
necessary to adjust the structural parameters of the EBG,
the antenna, and the height between them to obtain the
desired resonance point and achieve good impedance
matching.

Table 1: Human tissue dielectric characteristics at 2.4

GHz [24]
Layer | Thickness ¢ | Conductivity o (S/m)
Skin 2 37.95 1.49
Fat 8 5.27 0.11
Muscle 23 52.67 1.77

Table 2: Human tissue dielectric characteristics at 5.8

GHz [24]
Layer | Thickness €. | Conductivity ¢ (S/m)
Skin 2 35.14 3.717
Fat 8 4.955 0.29313
Muscle 23 48.49 4.9615

Figure 4 (a) illustrates the cross-sectional view of
the antenna with the EBG structure, after the height
adjustment, where the impedance matching is best when
the antenna is placed 7 mm above the EBG. Figure 4 (b)
shows the effect diagram after combination, where a 3x3
EBG array is selected considering the size of the EBG
structure and the performance of the antenna with the
EBG. When measuring the S1; and the radiation pattern,
the gap between the antenna and the EBG is filled with
foam to reduce losses and prevent any electrical contact,
where Fig. 4 (c) depicts the measured prototype.
Throughout the measures, the height of the foam and
the position of the antenna were carefully measured to
reduce the error. Subsequently, the Si1 gathered by
simulations and measurements are compared, and the
results are given in Fig. 5 (a). It is observed that the
antenna equipped with EBG has a bandwidth of 2.40-
2.49 GHz in the low-frequency band, and 4.95-6.49 GHz
in the high-frequency band, which can completely cover
the 2.40-2.48 GHz and 5.725-5.875 GHz ISM bands.
Figure 5 (b) compares the gain of the antenna with and
without the EBG structure, which reveals that the EBG
significantly increases the gain to a peak level of 9.1 dBi
at 5.8 GHz. Finally, we observed that the simulations and
the measurements are no big difference in antenna gain.

Figure 6 compares the simulated radiation patterns
of the antenna with and without the EBG structure.
Besides, the measured radiation patterns with the EBG
structure is also compared. As shown, the radiation
without the EBG is omnidirectional, i.e., a large number
of electromagnetic signals will penetrate the human body.
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The addition of the EBG structure, however, enables the
antenna to increase its front-to-back ratio (FBR) by 18.2
dB at 2.45 GHz and by 19.8 dB at 5.8 GHz. This makes
the antenna unidirectional, significantly reducing the
number of electromagnetic signals entering the human
body. This phenomenon is highly desired in the design
of wearable antennas. Figure 6 also shows that the
simulated and measured radiation patterns are not quite
different.

11l. WEARABLE PERFORMANCE
ANALYSIS
Due to the highly lossy characteristics of human
tissue, the antenna performance is adversely affected
when placed on the human body. As shown in Fig. 7, the
antenna is placed on the arms, chest, and legs, and its
reflection coefficient is measured by using a vector
network analyzer. The results gathered are compared
with the free space measurements. Figure 8 reveals that
placing the antenna on the human body can achieve a
good impedance matching, which allows 2.40-2.48 and
5.725-5.875 GHz ISM bands to be covered completely
without effect on the antenna usage.

L
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Fig. 7. The antenna with the EBG structure placed at
different parts of a real human body: (a) arm; (b) chest;

(c) leg.
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Fig. 8. Measured Sy; of the antenna with the EBG on a
real human body.
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Table 3: SAR values of the antenna

ACES JOURNAL, Vol. 36, No. 1, January 2021

With/Without | 1g/10g Frequency Limit SAR Max SAR Input
EBG (GH2) (W/Kg) (W/Kg) Power
y 24 16 4.96 100mw
. 538 16 10.9 100mwW
Without EBG " 24 20 26 100mW
g 538 20 3.19 100mwW
y 24 16 0.123 100mwW
. 538 16 0.212 100mw
With EBG 0 24 20 0.0452 100mwW
g 58 20 0.0563 100mW
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Fig. 9. Antennas simulate radiation efficiency on free
space and human models.

(d)

Fig. 10. Simulated SAR values for antennas without
EBG. (a) 2.4 GHz, 1 g standard; (b) 2.4 GHz, 10 g
standard; (c) 5.8 GHz, 1 g standard; (d) 5.8 GHz, 10 g
standard.

In addition to the S;1 analysis, the effect of the
human tissue on radiation efficiency is also studied.
Figure 9 shows the radiation efficiency of the antenna
that is simulated for the free space and the human tissue
model. The results reveal that the antenna achieves an

efficiency of 64.6% at 2.45 GHz and 85.6% at 5.8 GHz
without the human tissue model. When the human tissue
model is added, the efficiency reduces to 53.2% at 2.45
GHz and 81.6% at 5.8 GHz.
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Fig. 11. Simulated SAR values for antennas with EBG.
(a) 2.4 GHz, 1 g standard; (b) 2.4 GHz, 10 g standard;
(c) 5.8 GHz, 1 g standard; (d) 5.8 GHz, 10 g standard.

The SAR value is crucial in understanding the effect
of antenna radiation on the human body. There are
two international SAR standards: one is the American
standard, the other is the European standard. For the
formed, enforced by the Federal Communications
Commission (FCC), the threshold is 1.6 W / kg averaged
over 1 g of tissue. For the latter, enforced by the
International Electrotechnical Commission (IEC), the
threshold is 2 W / kg averaged over 10 g of tissue [22-
23]. Thus, the antennas for wearable applications must
be carefully designed as complying with this regulation.
To evaluate the SAR value of the antenna, a three-layer
human tissue with a size of 90 x 90 x 33 mm was modeled
in the CST Microwave Studio. In specific, skin, muscle,
and fat tissues with a thickness of 2 mm, 8 mm, and 23
mm are used [24]. The dielectric characteristics of the



human tissue model at the frequencies of 2.4 GHz and
5.8 GHz are shown in Table 1 and Table 2, respectively.
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The antenna with and without the EBG structure was
placed 2 mm above the human tissue for SAR analysis.

Table 4; Compare with paper on wearable antennas based on EBG or AMC

Ref. Dimensions (mm?) Bandwith (GHz) Peak Gain (dBi) Size Comparison
[14] 200 x 200 2.45 (9.85%) 2.42 840.2%
2.45 (37.00% 3.58
[17] 147 x 147 ( ) 453.9%
5.8 (5.04%) 6.08
1.55 (1.84%) 5.1
16 130.8 x 130.8 359.3%
[16] 2.45 (0.736%) 5.03 ’
[18] 124 x 124 2.45 (2.04%) 6.0 322.9%
3.65 (6.5%) 8.0
15 100 x 100 210.0%
[15] 5.4 (6.5%) 8.0 ’
[12] 81 x 81 2.45 (14.7%) 73 137.8%
[19] 60 x 60 2.45 (18.4%) 6.5 75.6%
2.45 (3.7%) 7.0
Work 69 x 69 100%
or 5.8 (28%) 9.1 °

Figure 10 shows the SAR values of the antenna
without the EBG structure. Under the 1 g standard, the
SAR value of the antenna is 4.96 W / kg at 2.4 GHz and
10.9 W / kg at 5.8 GHz. For the 10 g standard, the values
change to 2.6 W / kg at 2.4 GHz and 3.19 W / kg at 5.8
GHz. It should be noted that these values violate both
American and European standards. Figure 11 shows the
SAR values of the antenna with the EBG structure.
Under the 1g standard, the SAR value reduces to 0.123
W / kg at 2.4 GHz and 0.212 W / kg at 5.8 GHz, which
are respectively 97.5% and 98.1% lower than that of
the antenna without the EBG structure. Under the 10g
standard, the SAR value reduces to 0.0452 W / kg at 2.4
GHz and 0.0563 W / kg at 5.8 GHz, which are respectively
98.3% and 98.2% lower than that of the antenna without
the EBG structure. As expected, these results validated
that the EBG can reduce the SAR value of the monopole
antenna. This is because the EBG changes the monopole
antenna’s radiation from omnidirectional to unidirectional,
surpassing the surface electromagnetic waves to pass
through the substrate, not the human body. Table 3,
listing the SAR values studied in this paper, reveals that
the antenna adopting the EBG has a very low SAR valueg,
which complies with both American and European
standards.

V1. CONCLUSION

In this paper, a dual-band wearable monopole
antenna with a EBG structure was proposed. The antenna
has small size and high gain characteristics compared to
the Table 4 measure configurations reported for wearable
applications. The proposed antenna has a working
bandwidth of 2.40-2.49 GHz (3.70%) at 2.45 GHz a gain
of 7.0 dBi. The bandwidth at 5.8 GHz rarely reaches to

4.85-6.50 GHz (28.9%), where the gain is approximately
9.1 dBi at 5.8 GHz. The EBG structure not only isolates
the antenna from the human body but also improves
the radiation gain compared to the monopole antennas
without the EBG structure. More specifically, it increases
the monopole antenna front-to-back ratio (FBR) by 18.2
dB (at 2.45 GHz) and 19.8 dB (at 5.8 GHz) and drops the
SAR value more than 97.5%. Furthermore, it is shown
that realistic human body loading have a small effect on
antenna performance. Therefore, it is validated that the
proposed antenna has a strong potential for wearable
applications.
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Abstract — In order to improve the channel capacity
of communication equipment and reduce the size of
antenna, an asymmetric coplanar strip (ACS) fed four-
element UWB MIMO antenna with dual band notches
is proposed in this paper. The antenna has a simple
structure and a compact size of 37x37 mm2, The antenna
consists of four modifled staircase-shaped radiation
elements and four floor on the same side. The antenna
elements are placed vertically without additional
decoupling structure, and the isolation less than -15 dB
in the working bandwidth of 2.9-10.6 GHz can be
obtained by using polarization diversity. In addition,
the antenna has the notched characteristic of WiMAX
and WLAN band. The antenna has good gain and
low envelop correlation coefficient (ECC), and the
simulation results agree with the measured results, which
indicates that the antenna is suitable for UWB system.

Index Terms — ACS, band notches, MIMO antenna,
polarization diversity, UWB.

I. INTRODUCTION

Ultra wide band (UWB) technology is widely used
in many fields of wireless communication due to its
inherent advantages such as high transmission rate, strong
confidentiality, low cost and low power consumption.
However, the power spectral density of UWB system
is very low and the problem of signal fading is more
prominent under the influence of multipath effect.
Multiple Input Multiple Output (MIMO) technology can
greatly improve the efficiency of spectrum and realize
large capacity and high rate in the limited spectrum
resources. The combination of UWB and MIMO
technology can perfectly solve the multipath fading
problem to improve the communication quality.
Meanwhile, the range of UWB includes narrowband
systems such as WiMAX (3.3-3.8 GHz) and WLAN
(5.15-5.825 GHz). Therefore, it is particularly important
to solve the interference between UWB and some
narrowband system.

The combination of UWB and MIMO technology
has been paid more and more attention by researchers
and achieved considerable development. For UWB
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MIMO system, how to maintain acceptable isolation
between antenna elements on the basis of ensuring that
the antenna has simple structure and compact size is a
challenging task. References [1, 2] introduce the fence-
type decoupling structure at the ground to enhance the
isolation in operating band. Referencess [3-5] design
the T-shaped decoupling structure by extending the
branches on the ground, adding parasitic units and
slotting on the ground, respectively. The inherent
directional radiation of slot antenna and asymmetrical
placement are used to obtain high isolation in [6]. The
vertical placement of the antenna elements is used in
[7-9] to reduce coupling, which is a common way for
MIMO antennas to obtain high isolation. The
neutralization line is implemented to minimize the
mutual coupling between the radiation patches in [10].
Defected Ground Structures (DGS) and structures
inspired from Frequency Selective Surfaces (FSS) are
used to enhance the isolation in [11]. Polarization
diversity among different kinds of antennas can realize
lower coupling between antenna elements, and by using
a couple of inverted L-shaped stubs and an inverted Z-
shaped stub as decoupling structures can obtain a high
isolation in [12]. Reference [13] shows that by cutting
the antenna element in half, the mutual coupling can be
significantly reduced due to the inherent symmetry of the
antenna element. By etching two L-shaped slots in the
radiators and attaching a rectangular patch on the back,
the isolation is enhanced in [14]. In addition, for the
realization of notched characteristic, C-shaped [4, 15-
17], L-shaped [9] structures are mostly introduced on
ground or radiation patch. However, these proposed
antennas rarely take into account compact size, simple
structure, high isolation and notched characteristic at the
same time.

This paper proposes a compact UWB MIMO
antenna with dual band notches. The antenna structure is
simple, and the different elements are placed vertically.
With the use of polarization diversity, less than -15 dB
isolation can be achieved in the whole UWB range
without additional decoupling structure. The introduction
of L-shaped parasitic elements makes the antenna realize
notched characteristic in WiMAX band. In addition, the
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interference of WLAN band is suppressed by the slot on
the floor consisting of a C-shaped and two L-shaped
structures. (We abbreviate it as LCL-shaped)

I1. ANTENNA DESGIN

A. Design of UWB MIMO antenna element

Antenna 1 shown in Fig. 1 (a) is a planar monopole
antenna with regular rectangular radiation patch, which
is printed on the FR4 substrate with thickness of 1.6 mm
and size of 22x22 mm2. As shown in Fig. 1 (b), the
radiation patch of antenna 1 is improved into a stepped
structure to form antenna 2. This progressive form
increases the uniform distribution of surface current and
improves the stability of input impedance, so it greatly
increases the working bandwidth of the antenna element.
Impedance matching can be further improved by
adjusting the width of the center conductor connecting
the radiation patch. Figure 2 shows the simulated S;, of
antenna 1 and 2. According to the figure, the bandwidth
of the antenna 2 can cover the whole UWB range.

(@) Antennal (b) Antenna2 (c) Antenna 3

Fig. 1. Design of UWB MIMO antenna element.

=+ Antennal
- Antenna2

-104

-204

S,,(dB)

-304

40

T T T T T T
2 4 6 8 10 12
Frequency (GHz)

Fig. 2. Simulated S, of antenna 1 and 2.

To further reduce the antenna size, we use the
feeding method of an ACS to cut the antenna 2 in half to
form antenna 3 and optimize the parameters, as shown in
Fig. 1 (c).

B. Design of UWB MIMO antenna

In the previous section, the design of the UWB
antenna element was preliminarily completed. In this
section, we mainly introduce the integrated design of
four-element UWB MIMO antenna. Four elements that
are identical to antenna 3 are integrated to form antenna
4 as shown in Fig. 3. In antenna 4, four ports are placed

ACES JOURNAL, Vol. 36, No. 1, January 2021

orthogonally to each other to improve the isolation
through polarization diversity. Figure 4 shows the
simulated S;; of antenna 3 and 4. According to the
figure, S;; does not change much after the antenna is
integrated.

Further, we show the isolation between antenna
elements. According to the principle of reciprocity, we
only demonstrate the isolation between antenna elements
in adjacent (S;,) and diagonal (S;3) positions in Fig. 5.
In the integrated antenna, we do not need to use an
additional decoupling structure, only using polarization
diversity can achieve isolation requirements.

Fig. 3. Antenna 4 integrated by four antenna 3.

04 —— Antenna3
= = Antenna4

s,,(dB)
=
[6)]

2 4 6 8 10 12
Frequency (GHz)

Fig. 4. Simulated S, of antenna 3 and 4.
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Fig. 5. Simulated isolation of the MIMO antenna.

C. Design of dual-notched UWB MIMO antenna
In order to suppress the interference of WiMAX
band, an inverted L-shaped parasitic unit is added on the
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top of the four radiation patches respectively. The initial
length L of the parasitic unit can be obtained by Eq. (1)
[9]. Here footcn IS center frequency of the notch-band, ¢
is the speed of light in free space, and ¢, is the relative

dielectric constant:
c

L=——"— (1)
2fnotchVer
The UWB MIMO antenna with WiMAX band-
rejection and its simulated S;, are shown in Fig. 6. From
Fig. 6, we can see that the simulated S;; is less than
-10 dB from 2.9 to 10.6 GHz except for the rejected band
of WIMAX.

2 4 6 8
Frequency (GHz)

10 12

Fig. 6. UWB MIMO antenna with WiMAX band-
rejection and its simulated S, ;.

To further suppress the interference of WLAN band,
we designed a LCL-shaped slot on the ground, which is
a combination of one C-shaped and two L-shaped
structure. The length of the LCL-shaped slot is optimized
according to Eq. (1).

The final four-element UWB MIMO antenna with
dual-notched is shown in Fig. 7 (a), and the relevant
dimensions are shown in Fig. 7 (b). The simulated S, of
the proposed antenna is shown in Fig. 8. As can be seen
from Fig. 8, the proposed UWB MIMO antenna can
achieve a working bandwidth of 2.9-10.6 GHz under the
return loss of -10 dB except for the rejected bands of
WiMAX and WLAN. The notch frequency band realized
by the L-shaped parasitic unit and the LCL-shaped slot
is 3.32-3.79 GHz and 5.17-5.77 GHz, respectively.

Port3
IL W7

yHod

Port2

Portl

(a) Proposed MIMO antenna

Fig. 7. Four-element UWB MIMO antenna with dual-
notched.
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Fig. 8. Simulated S, of proposed MIMO antenna.

The total size of proposed UWB MIMO antenna
with dual band notches is 37x37 mm2, and the detailed
dimensions are shown in Table 1.

Table 1: Dimensions of the proposed antenna
Parameters L1 L2 L3 L4 L5
Value/mm 6.9 21.8 9.2 2.3 3.7
Parameters L6 W1 W2 W3 W4
Value/mm 3.1 6.4 5.5 2 2.5
Parameters W5 W6 W7 Wi g
Value/mm 3.2 0.8 217 15 0.2

I11. RESULTS AND DISCUSSION

The UWB MIMO antenna proposed in this paper is
simulated and optimized by HFSS 15. In order to further
verify the practical value and the reliability of the
method, the proposed antenna is fabricated based on the
size given in Table 1. Figure 9 shows the picture of the
fabricated MIMO antenna. By using the vector network
analyzer, we measured the S-parameters of the antenna.
The radiation pattern and gain of the antenna are also
tested in @ microwave anechoic chamber.

Fig. 9. Photograph of the fabricated MIMO antenna.

A. S parameter
Figure 10 shows the simulated and measured S, of
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the proposed antenna, it can be seen from the figure that
the working bandwidth of the measured antenna is 2.9-
10.6 GHz except for WiMAX and WLAN notched
bands, which is basically consistent with the simulation
results.

The simulated and measured isolations are shown in
Fig. 11. From the figure we can see that the measured
isolation between antenna elements is less than -15 dB.
The deviation between the test and simulation results is
acceptable.

-104

s,,(dB)

-204

-30

Frequency (GHz)

Fig. 10. Simulated and measured S, ;.

—— 5,,(Sim.)
10- ——5,(Sim)
S, (Mea.)
-20 4 —— S;(Mea)
~ -304
)
I
5 -40-
8
[=}
@
-501
-60
2 4 6 8 10 12

Frequency (GHz)
Fig. 11. Simulated and measured isolation.

B. Notch characteristics

To verify the notch characteristics of the UWB
MIMO antenna, we analyzed the surface current
distributions of the MIMO antenna at 3.5 GHz and 5.5
GHz, as shown in Fig. 12. When the MIMO antenna
is working at 3.5 GHz, most of the surface current is
concentrated on the L-shaped structure, and the notch
band realized at 3.32-3.79 GHz can effectively suppresses
interference in the WiMAX band. When the MIMO
antenna is working at 5.5 GHz, most of the surface
current is concentrated on the LCL-shaped slot, and the
notch band realized at 5.17-5.77 GHz can effectively
suppresses interference in the WLAN band.

ACES JOURNAL, Vol. 36, No. 1, January 2021

T =
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(b) 5.5 GHz

Fig. 12. Surface current distributions at (a) 3.5 GHz and
(b) 5.5 GHz.

C. Radiation pattern and gain

Figure 13 shows the measured and simulated 2D
radiation patterns of proposed MIMO antenna at 4.5, 7.5
and 9.5 GHz. The radiation patterns are measured when
the target antenna element is excited and other three
antenna elements are terminated with the 50 Q load. It
can be noted from the figure that the simulated and
measured results are well matched, and the overall
radiation pattern is relatively stable over the entire UWB
bandwidth.

— . E-Plane(Mea)
5 E-Plane(Sim)

o — - H-Plane(Mea.)

55— H-Plane(Sim.)

Hz

— - H-Plane(Mea.)
—— H-Plane(Sim.)
30

— - E-Plane(Mea,)
—— E-Plane(Sim.)
30

(b2) 7.5GHz

— - H-Plane(Mea.)

S5 H-Plane(sim)

(b1) 7.5GHz

— - E-Plane(Mea.)
5 E-Plane(sim)

(c1) 9.5GHz (c2) 9.5GHz

Fig. 13. Simulated and measured radiation patterns at
4.5 GHz, 7.5 GHz and 9.5 GHz.
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The isolation mechanism can be better understood
by the diversity of radiation pattern when different ports
are excited. Figure 14 shows the simulated three-
dimensional radiation patterns of the proposed UWB
MIMO antenna when port 1 to 4 are separately excited
and other ports are terminated with matched loads.
The four ports are placed vertically and rotated 90°
counterclockwise, so that the radiated field appears
rotated 90° in the xy plane, and the pattern diversity is

obtained.

(a) Port 1 is excited

(b) Port 2 is excited

(c) Port 3 is excited

(d) Port 4 is excited

Fig. 14. Simulated 3D radiation patterns of the proposed
antenna.

The simulated and measured gains of the proposed
UWB MIMO antenna are shown in Fig. 15. From the
figure we can see that the gain of proposed antenna is
relatively stable and its measured value varies from 0 to
6 dBi within the UWB band except two notched-bands,
which indicates that this antenna has good gain
characteristic.

— Gain_Sim.
=+ Gain_Mea.

Gain (dBi)
S & N o N A O ©
H L A L h L H L

T T T T T T
2 4 6 8 10 12
Frequency (GHz)

Fig. 15. Simulated and measured gains.

D. Diversity analysis
The diversity characteristic of the proposed antenna
can be evaluated by ECC, which represents the

correlation of received signals between antenna elements.

Generally, low ECC always leads to high diversity gain.
For N-element MIMO antenna, the ECC of antenna
element i and antenna element j can be calculated by Eq.

(2) [15]:

21 St Sl )
Mk=(ij)[1-EN=1Sin*Snk]

The results of ECC are shown in Fig. 16. It can
be seen from the figure that the ECC of the proposed
antenna is less than 0.02 expect the notch-bands, which
indicates the MIMO antenna has a good diversity
characteristic.

ECC =

0.204
0.184
0.16 4
0.144
0.124
0.104
0.08 4
0.06 4
0.04 4
0.02 4
0.00 -

ECC

Frequency (GHz)

Fig. 16. ECC of the proposed MIMO antenna.

Finally, the comparisons of the recently published
four-element UWB MIMO antennas in [8, 9, 11-15, 17,
18] and the proposed antenna in this paper are listed in
Table 2. By comparison, it can be concluded that the
UWB MIMO antenna proposed in this paper has a
simpler structure and a more compact size in addition to
satisfying the requirement of UWB. On the premise of
compact size, the antenna can satisfy the isolation of -15
dB without decoupling structure. In addition, the antenna
also realizes the characteristic of dual-notched.

IV. CONCLUSION

In this paper, a compact UWB MIMO antenna fed
by ACS is proposed. The four ports of the antenna are
placed vertically, and the isolation less than -15 dB is
obtained by using the polarization diversity in the whole
UWB range. The L-shaped parasitic unit realizes the
notched characteristic in WiMAX band. In addition, the
LCL-shaped slot on the ground realizes the suppression
of WLAN band. The simulation results show that the
antenna has good characteristic, and the measured results
agree well with the simulated results, which indicates
that the proposed antenna is suitable for UWB
applications.
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Table 2: Comparisons of published four-element UWB MIMO antennas and the proposed antenna

Designs Size Band Isolation ~ Notched Gai_n ECC Decoupling
(mm?) (GHz) (dB) Band (dBi) (Except Notches)  Structure
[8] 50%39 2.7-12 -17 1 2.5-6 / /
[9] 81x81 3.03-10.74 -20 2 0-9 0.025 /
[11] 58x79 3-11 -15 0 / / yes
[12] 70x41 3.1-12 -17 0 1-4 0.012 yes
[13] 70x70 2-14 -15 0 2-6 0.007 /
[14] 36%36 3.1-10.6 -15 0 1.5-3.7 0.02 yes
[15] 73%73 3-18 -20 2 / 0.0015 /
[17] 45%45 2-10.6 -17 1 2-5 0.01 yes
[18] 40%40 2.94-14 -17 0 1-5 0.03 /
Proposed 37x37 2.9-10.6 -15 2 0-6 0.02 /
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Abstract — In this paper, a novel compact multiple-
input multiple-output (MIMO) antenna with enhanced
port isolation is proposed for ultra-wideband (UWB)
applications. The UWB MIMO antenna contains two
coplanar annular monopoles etched on the front side
of the FR-4 substrate. The dielectric substrate has a
relative permittivity of 4.4 and a size of 80 mm x 40
mm x 1.6 mm. The irregular ground is printed on the
back side of the substrate. In order to enhance the port
isolation between the two monopoles, the expanded
ground is exploited in the proposed design. In addition,
the ground is etched with some slots to achieve good
impedance matching. Both the simulated and measured
results show that the proposed antenna achieves good
impedance matching as well as high port isolation over
the entire UWB band. Moreover, the proposed antenna
has good spatial diversity characteristics. In summary,
the proposed UWB MIMO antenna can be well applied
to the ultra-wideband wireless communication system.

Index Terms — Isolation, monopole antenna, multi-
input multi-output, ultra-wideband.

I. INTRODUCTION

Compared to the traditional narrowband
communications, the ultra-wideband (UWB) multiple-
input multiple-output (MIMO) communication has
many advantages such as high speed, large capacity and
high spectrum utilization. However, there are many
challenges in designing the UWB MIMO antennas,
mainly the problems of impedance matching and
mutual coupling reduction over the entire UWB band
[1]. Some useful methods have been proposed to
enhance the isolation between the elements of the MIMO
antennas. One method is optimizing the layout of the
antenna elements and making use of the polarization
characteristics of the antennas to reduce the mutual
coupling [2-6]. In [2], the MIMO slot antenna without
any decoupling structure achieves a high isolation by
placing the four antenna elements asymmetrically.
Isolation can be improved by introducing a parasitic
resonant structure to between the antenna elements. For
example, a metal strip reflector was used to isolate the
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two array elements in [7-10]. In addition, the defective
ground structures (DGS) are also very frequently used
in improving the port isolation of the antennas [11-14].
In [11], the isolation between the two antenna elements
is improved by adding a slot on the ground.
Furthermore, other metheds including loading a ground
branch are also effective to suppress the mutual
coupling and enhance the port isolation between the
array elements [15-22].

In this paper, a novel compact UWB MIMO
antenna is proposed. Two coplanar annular monopole
UWB antennas are placed side by side. The port
isolation is improved by expanding the ground plane.
Both the simulated and measured results show that
the isolation between the array elements has been
effectively increased over the entire UWB band. The
details of the proposed design and the results are
presented in the following sections.

I1. ANTENNA DESIGN AND ANALYSIS

The geometry of the proposed UWB MIMO
antenna is illustrated in Fig. 1. The FR4 substrate is
used in the design of the antenna, which has a relative
permittivity of 4.4 and a thickness of 1.6 mm. Two
coplanar annular monopole antennas are printed side by
side on the front side of the substrate, while the ground
is on its back side. The proposed antenna has a width of
W =80 mm and a length of L = 40 mm. The microstrip
line with a width of Wy = 3 mm is used to feed each
element. In order to increase the port isolation between
the two antenna elements, the ground plane is expanded
outwards at the middle portion, as shown in Fig. 1.
The antenna achieves a good impedance matching by
slotting the extended ground and the portion of the
ground below the microstrip feed line.

The proposed UWB MIMO antenna is simulated
and optimized by using ANSYS HFSS, and the
optimized dimensions of the antenna are shown in
Table 1. The simulated S-parameters of the proposed
antenna are shown in Fig. 2. Due to the symmetry of
the antenna structure, only the curves of the Si; and Si2
are plotted in the figure. From the figure, we can see
that the Si; is lower than -10 dB in the range of 2.13
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GHz to 11.03 GHz covering the entire UWB band,
which indicates that the proposed MIMO antenna has
been well matched. In addition, the S;, is almost lower
than -20 dB, which means that the port isolation
between the two elements is kept at a high level.

portl W

port2

Fig. 1. Geometry of the proposed UWB MIMO antenna.

Table 1: Optimized dimensions of the antenna (unit: mm)

Parameter Value Parameter Value
W 4 L, 28
Ws 12 L, 2
W, 3 Ls 1
W5 8.5 La 16.2
We 20 Ls 4.3
R1 7.6 Le 5.8
R, 2.5 Ls 14

0

—— 312
__-10
[a]
=
S
D -20
=
S
s
9 30
-40 T T T T
2 4 6 8 10 12
Frequency (GHz)

Fig. 2. Simulated S-parameters of the proposed UWB
MIMO antenna.

Figure 3 shows the design process of the proposed
UWB MIMO antenna. The S-parameters of the three
antennas are compared in Fig. 4. As can be seen from
the figure, for the initial design, antenna 1, the value of
Si2 is mainly between -10 dB and -20 dB in the UWB
operating band, which indicates that the two elements
are not highly isolated. In the antenna 2, the ground is
expanded outward with a rectangular shape between the
elements, thus making Si2 below -20 dB. And this result

ACES JOURNAL, Vol. 36, No. 1, January 2021

is a solid evidence for effective isolation enhancement.
However, as is shown, with the expanded ground, the
Sy of the antenna 2 is higher than -10 dB from about 4
GHz to 7 GHz, which means that expending the ground
plane has a negative impact on the impedance matching
and makes it worse. In order to achieve a good
impedance matching again, as shown in the antenna 3,
we etch slots on certain part of the ground. The slots are
etched not only behind the feedlines but also within the
rectangular shape expanded. The number of the slots
within the expanded ground is the result of optimization.
From Fig. 4, we can observe that in the UWB band, the
Sq1 of the antenna 3 is lower than -10 dB, and the Si» is
almost kept lower than -20 dB. It indicates that the
antenna 3 achieves both good impedance matching and
high port isolation.

(a)

(b)

—0 —0 —o
—0 —0 —o

(©)

Fig. 3. Design process of the proposed antenna: (a)
antenna 1, (b) antenna 2, and (c) antenna 3.

When the antenna elements are placed closely to
each other, adding an excitation to one of the antenna
ports will generate an induced current at the other port,
which is the cause of the strong mutual coupling.
Therefore, in order to reduce the coupling and enhance
the isolation, it is necessary to suppress the generation
of the induced current. This is the purpose of expanding
the ground. The surface current distribution of the
antenna 1 and the antenna 3 at the different frequencies



are shown in Fig. 5, respectively. From the figure, it
can be seen that when the excitation is added to the port
1 without the expanded ground, an obviously large
induced current is generated nearby the port 2. Thus,
there is a strong coupling between the two antenna
elements. Expanding the ground plane, on the contrary,
makes the induced current mainly distributed around
the extended part of the ground and weak around the
port 2. Therefore, the coupling between the antenna
elements is effectively reduced and the port isolation is
enhanced.

0

Ta—5;  ofantenda T
—0— S, of antenna 1

—® =S;; of antenna 2

=0 =S$j, of antenna 2
Se.
I~ ® <,

=
o
N

.;""'l
A

= A=~ 59 ofantenna 3

S-parameters (dB)

J ¢} \
30 s / : "
\ ‘ a I
\ ! $
-40 S — T
2 4 6 8 10 12
Frequency (GHz)

Fig. 4. The simulated S-parameters of the two-element
monopole array.
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Fig. 5. Surface current distribution of antenna 1 and
antenna 3: (a) antenna 1 at 3.5 GHz, (b) antenna 3 at 3.5
GHz, (c) antenna 1 at 7.0 GHz, (d) antenna 3 at 7.0
GHz, (e) antenna 1 at 10.0 GHz, and (f) antenna 3 at
10.0 GHz.

I11. RESULTS AND DISCUSSION

Both the antenna 1 and the antenna 3 are fabricated
using the FR4 substrate. Figure 6 shows the photograph
of the fabricated prototype.

The fabricated antennas are measured by using
Keysight E5063A and the measured S-parameters are
shown in Fig. 7. From Fig. 4 and Fig. 7. The comparison
between Fig. 4 and Fig. 7 presents that the measured
results correlate well with the simulated ones. The
slight difference between them may be caused by the
errors in the manufacturing and measurement. As seen
in Fig. 7, after the ground is expanded, the measured
S12 of the antenna 3 falls below -20 dB over the entire
UWB band. The result shows that the port isolation
between the two antenna elements has been effectively
increased. At the same time, the Si; of the antenna 3
remains below -10 dB, indicating that the antenna 3
still has a good impedance matching. In summary, the
antenna 3, as the final design of the proposed antenna,
can be better applied in the UWB MIMO communication
systems.
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(b)
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Fig. 6. Photograph of the fabricated antennas: (a) top
view of antenna 1, (b) bottom view of antenna 1, (c) top
view of antenna 3, and (d) bottom view of antenna 3.
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Fig. 7. Measured S-parameters of the proposed antenna.

Figure 8 shows the simulated radiation patterns of
the proposed antenna at the different frequencies. From
the figure, it can be observed that when the two ports of
the proposed UWB MIMO antenna are fed separately.
It indicates that the proposed antenna has good spatial
diversity characteristics. In addition, in Table 2, the
overall performance of the proposed MIMO array is
compared with that of some typical designs in the
literature. The overall performance of the proposed
antenna is comparable to or superior to that of the
previous designs.

ACES JOURNAL, Vol. 36, No. 1, January 2021

Table 2: Performance comparison with previous designs

in literature
Antenna Bandwidth Isolation (In
Ref. Size (mm) (GH2) Most of the
Band) (dB)
[4] 73x73 3-18 >20
[5] 85x85 3.1-10.6 >15
[6] 110x120 3.0-10.0 >38
[8] 45x45 2-10.6 >17
[9] 42x25 3-12 >15
[11] 32x32 3.1-10.6 >15
[14] 24x40 4.6-10.1 >21
[16] 93x47 3.1-10.6 >31
[17] 24x40 3.1-10.9 >15
[19] 82x50 2.20-13.35 >15
ThiS | goxq0 | 2.13-11.03 >20
work
6 9% —35GHz
- - 70GHz
04 ----10.0 GHz

(@)
90 —35GHz
150
180
210




90 ——35GHz

Fig. 8. Radiation patterns of the proposed antenna: (a)
XQOY plane with portl excited, (b) XOY plane with
port2 excited, (c) XOZ plane with portl excited, and (d)
XOZ plane with port2 excited.

1V. CONCLUSION
A compact UWB MIMO antenna has been proposed
in this paper. The primary concern for the UWB MIMO
design is isolation enhancement. And this paper utilize
comprehensive methods to realize the good performance.
Firstly, by expanding the ground with certain shapes,
the port isolation between the antenna elements has
been significantly increased. Furthermore, the antenna
achieves a good impedance matching over the entire
UWB band through etching slots on the ground plane,
not only opposite the placement of feedlines but also
within the rectangular shape expanded. Based on the
above results, the proposed antenna is suitable for the

UWB MIMO communication systems.
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Abstract — A frequency reconfigurable planar
monopole antenna for fifth-generation (5G) mobile
communication terminal equipment is presented. The
proposed antenna uses a meandered monopole, branch
resonance and other techniques to make the antenna
resonant in multiple frequency bands. The antenna is
compact in size (115 mm X 55 mm X 0.8 mm) and has a
longitudinal length less than one-tenth of the resonant
wavelength (working at 1.79 GHz). The pin diode is
designed between the planar meandered monopole
antenna and branch. The current path of the high-
frequency current on the antenna can be easily
controlled by controlling the DC bias voltage of the
diode, and the operating frequency of  the antenna is
switched between three frequency bands. The antenna is
fed directly through a 50 Q matched transmission line.
The measured data of the antenna in the anechoic
chamber show good consistency with simulation data.
The radiation pattern of the antenna shows good
omnidirectional characteristics and good frequency
characteristics, with a maximum radiation gain of 13.6
dBi. Experimental results demonstrate that the antenna
can meet the design requirements of 5G communication.

Index Terms — 5G, branch-line coupler, frequency
reconfigurability, planar monopole antenna.

I. INTRODUCTION

With the maturity of fifth-generation (5G)
communication technology, several new wireless
communication bands have been approved for use, but
the division of 5G frequency points in different countries
and regions also presents a decentralized situation. Even
limited to the sub-6 band, users need the ability to switch
freely between dozens of frequency combinations for
cross-border, cross-carrier network use.

Faced with the increasing requirement of frequency
matching and frequency selection in terminal equipment,
the design idea of blindly expanding antenna bandwidth
to cover more frequency ranges has become increasingly
more limited.

A typical example is that many scholars are
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now realizing that UWB antennas used in UWB
communications should be designed with frequency-
specific notch points to be able to operate simultaneously
with a wireless communication network and avoid
interference by high-power wireless signals of the same
frequency used in such a communication system [1-4].

Therefore, faced with the challenge of frequency
switching, a frequency-reconfigurable antenna has
become an alternative and solves the problem more
effectively.

A large number of research results on frequency
reconfigurable antennas exist [5-10]. Additionally,
frequency-reconfigurable  antennas have  many
advantages over traditional antennas, such as
simplification and miniaturization, which can change
the frequency [11-12].

A varactor diode and an external bias Tee structure
were used in Ref. [13] to achieve flexible adjustment
of the operating frequency band. A varactor diode
combined with a bias circuit was also used in Ref. [14]
to achieve dual-band frequency reconfiguration, and the
monopole antenna has a lower profile. A sub-type patch
structure and multiple PIN diodes were used in Ref. [15]
to achieve coverage of three frequency bands from 1.45
to 4.52 GHz.

In this study, a frequency-reconfigurable planar
monopole antenna that can be applied to 5G mobile
communication terminal equipment is proposed.

Compared to the antenna described in Ref. [13], the
frequency switching of the antenna described in this
article through PIN diodes has low hardware cost,
and its frequency-switching control method is simple.
Compared with the antenna described in Ref. [14], the
size of the low-profile monopole antenna proposed
herein, applied to the low frequency at approximately
760 MHz, reaches 97 mmx97 mmx8 mm, its structure
is more compact (28.3 mmx16.5 mmx0.8 mm), and its
longitudinal length is less than one-tenth of the resonance
wavelength. Compared with the antenna described in
Ref. [15], the antenna described herein can support
communication modes of more frequency bands, not
only supporting 3G and 4G networks at the same
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time, but also compatible with higher-frequency 5G
communication networks, making the communication
of mobile users more flexible and convenient.

II. BASIC PROPOSED ANTENNA
STRUCTURE

The proposed antenna is a planar monopole antenna
that has been miniaturized by using meandered
monopole antenna technology. The monopole in the
form of a copper microstrip is realized by printed-
circuit-board technology, and the meandering structure
is designed on the limited plane, which reduces the
length of the antenna to less than one-tenth of the
maximum wavelength. The equal-width microstrip line
forms an S-bend and is connected to the microstrip
feeder that connects the SMA connector to the antenna.
The slot of the S-shaped monopole antenna near the
feeder is equivalent to that of the capacitor, and the
capacitance can be adjusted by adjusting the structure
parameter g to realize the matching between the antenna
and feeder.

115

Fig. 1. Schematic of proposed antenna structure.
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The structure of the proposed antenna is shown in
Fig. 1, and a section of the U-shaped microstrip branch
is connected with the S-shaped monopole antenna at
the first bend. The connection is made by a PIN diode.
The PIN diode used in the research are BARS50-02 of
Infineon Company, which has low forward resistor, very
low harmonics, and low capacitance at 0 V reverse
bias at frequencies above 1 GHz (typ. 0.15 pF). It can
work normally in 10 MHz—6 GHz. According to the
PIN diode datasheet, the threshold voltage of 1.5V DC
can control the ON-OFF state of the PIN diode. The
diode represents a resistance of 3Q for the ON state and
a parallel circuit with a capacitance of 0.15 pF and a
resistance of 5kQ for the OFF state. When the diodes for
the ON state has a low resistance which contribute to
the insertion loss. According to the datasheet [16], the
insertion loss is 0.27 dB.

By controlling the DC bias of the diode, it is easy to
control the turning-on of the diode and realize the path
reconstruction of the high-frequency current on the
antenna surface, thus realizing the frequency control of
the antenna.

To simulate the application environment, the
antenna is designed on FR4 medium with an area of
115mmx55mm and thickness of 0.8 mm. The back of
the antenna is covered with a large copper layer to
simulate the integration of the antenna and circuit
structure of the terminal equipment. The environmental
parameters and structural parameters of the antenna are
listed in Table 1.

Table 1: Parameters of antenna structure

Parameters | Value (mm) | Parameters | Value (mm)
t 5.8 g 1.7
/ 194 n 7.7
s 11 m 25
w 17.5 f 100

The S-shaped monopole antenna with branches
is equivalent to the circuit form shown in Fig. 2. The
relationship between the branches and monopole
antennas can be expressed as a parallel circuit. Branch
and monopole antennas have different resonant
frequencies because they have different current paths.
The low-frequency radiation power is proportional to
R,, and the high-frequency radiation power to R;. The
distributed capacitance introduced by the antenna is
equivalent to that of C, and the matching between the
antenna and feeding circuit can be adjusted by
controlling C,. It is worth noting that the position
relationship between the branch and the antenna is not
reflected in the equivalent circuit; this part of the
parameters also determines the antenna matching.
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Fig. 2. Equivalent circuit of antenna.

The antenna has the advantages of simple structure,
low process cost, and suitability for mobile terminal
equipment. By controlling the DC bias of the diode,
turning the diode on or off can be easily controlled and
the antenna frequency can be reconfigured.

III. PARAMETRIC STUDY OF
FREQUENCY RECONFIGURABLE
ANTENNA

When the PIN diode is off, since the diode reactance
in the frequency band is very large, it is equivalent to
a short-circuit state and the branch is equivalent to
the meandering monopole antenna coupled patch. By
adjusting the length of the planar meandering monopole
antenna, the resonant frequency of the antenna can be
changed, as shown in Fig. 3.

|
OFF STATE

Freq (GHz)

Fig. 3. Simulation results of antenna parameter Si.

When the PIN diode is disconnected, here is an
obvious resonance frequency point in the analysis
frequency band, which corresponds to the arm length of
the monopole antenna, When the arm length increases,
the resonant frequency of the antenna moves to the low-

frequency band, and when it decreases the resonant
frequency of the antenna moves to the high-frequency
band. As shown in Fig. 3, the length of the monopole
antenna arm can be changed by adjusting the structural
parameters m and s, thereby controlling the antenna
resonance frequency. When the structural parameters s,
w, and g are changed, the distributed capacitance of the
antenna is also changed, and then the matching of the
antenna changes.

According to a simulation analysis performed in
Ansys HFSS software, when the PIN diode is
disconnected and the antenna parameters are set as
shown in Table 1, the impedance characteristics of
the antenna are satisfactory. The impedance bandwidth
(<—10dB) is 540MHz (3.07-3.61 GHz) and the relative
bandwidth 16.2%, which can meet the requirement of
5G communication covering the (3.3-3.6)-GHz band.

Fig. 4. Radiation pattern of proposed antenna when
diode is off.

—— ON state

1 PIN diodé ON state
730-'I'"'I""I""I""I""

1 2 3 4 5 6
Freq (GHz)

Fig. 5. Simulation results of antenna parameter Si;.

As shown in Fig. 4, the ZOX and ZOY plane
patterns fully exhibit isotropy when the antenna operates
at a central frequency of 3.3 GHz in this frequency band.
In the XOY plane pattern, the directivity of the antenna
is largely strong, maximum direction of radiation points
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to = 60°, peak gain is 2.2 dBi, that of the corresponding
back lobe level is—2.4 dBi, and front-to-back ratio is
4.6 dB.

At a DC bias of 1.6 V for the PIN diode, the diode
will be turned on. At this time, the diode is equivalent to
a resistance of 3 Q for the current in the frequency band.
Owing to the access of the single branch, the surface
current on the single arm of the monopole is shunted.
A new shorter surface current path is formed, so the
antenna shows two resonant frequency points on the
band characteristic curve.

Similar to the analysis of the state of the diode,
the resonant frequency of the high frequency can be
controlled by adjusting the structural parameters ¢, /, and
n; the analysis process is not redundant. It should be
noted that, due to the conduction of the diode, the
function of the U-shaped microstrip line in the antenna
is changed from the coupling patch when the diode is off
to the current branch of the monopole antenna, driving
the low-frequency resonant point to a significantly lower
frequency.

According to the simulation results in Ansys HFSS,
the antenna shows dual-band characteristics when the
diode is on, the frequency band (S;;<—10 dB) of the

antenna covers 1.79-2.63 and 4.827-5.66 GHz, and the
relative bandwidth reaches 38% and 15.4%, respectively
(Fig. 5). The coverage characteristics of the frequency
band meet the requirements of DCS1800 (1710-
1880MHz)/PCS1900 (18501990MHz)/UMTS2100 (1920-
2170MHz)/LTE2300 (2350-2400MHz)/LTE2500 (2500~
2690MHz) and the 5G communication frequency band
of 4.8-5.0 GHz.
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Fig. 6. Radiation pattern of proposed antenna when
diode is on.

In terms of radiation characteristics, it can be
seen from Fig. 6 that when the antenna operates at 2.2
GHz the antenna exhibits omnidirectional radiation
characteristics in the YOZ and XOZ planes, and the
XOY plane antenna shows good directivity with a
maximum gain of 1.1 dBi. When the antenna operates at
5.2 GHz, the antenna shows omnidirectional radiation
characteristics in the YOZ and XOZ planes, while the
antenna shows good directivity with a maximum gain of
4.0dBi. The stability of the multi-frequency pattern
ensures that the devices using the antenna can switch
between several working frequency bands.

IV. RESULTS AND ANALYSIS

As shown in Fig. 7, the bias of the antenna can
be supplied by abattery or DC voltage source. During
design, the power switch can be manually switched to
achieve the function of switching the working frequency
of the antenna, in the form of the realization that the
product form will use the switch control circuit. The
antenna is installed in the anechoic chamber and the
antenna parameters measured. As shown in Fig. 8, the
measured PIN diode can cover the frequency range from
3.1 to 4.8 GHz with a bandwidth of 1.7 GHz. Compared
with the simulation results, the 3.5 GHz resonant point
has better consistency, measured data have a lower
reflection coefficient, and resonance performance at
high frequency is more obvious, so a new resonant point
is formed near 3.9 GHz; the bandwidth is enlarged
relative to the simulation result under double resonance.
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(c) Proposed antenna being measured in anechoic
chamber

Fig. 7. Proposed reconfigurable planar monopole antenna
test photos.

As can be seen from Fig. 9, with the decrease of n,
the bandwidth of the antenna obviously becomes smaller,

and the high frequency point and low frequency point
produce frequency point offset. The size of f has a great
influence on the performance of the antenna.
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Fig. 8. Measured data of antenna parameter Sy;.
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Fig. 9. Simulated reflection coefficients of the antenna
for different n.

When the diode is on, the measured antenna can
cover four frequency bands: 1.2-1.4, 2.0-2.5, 3.3-4.0,
and 4.7-5.6 GHz. Compared with the simulation results,
the coverage of the high-frequency band is closer,
reflection coefficient of the low-frequency resonance
relatively larger, and the low-frequency resonance point
moves 200 MHz to the high-frequency part, which
reduces the measured bandwidth by 200 MHz. However,
the intermediate-frequency resonance points, which are
not well matched in simulation, are also measured in
experiment. The reason may be that the diode circuit is
not more equivalent to the current distribution in the
actual diode circuit.
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YOZ Gain(dBi)

(c) Radiation Pattern at 5.2 GHz (diode ON-state)

Fig. 10. Antenna multi-frequency working pattern.
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Fig. 11. Efficiency of the fabricated antenna at different
frequency bands.

By switching the diode switch, the antenna can
switch between three frequency bands easily. In three
frequency bands, 2.2 GHz (diode ON), 3.3 GHz (diode
OFF), and 5.2 GHz (diode ON) were selected to test the
pattern.

According to the multi-frequency working pattern
in Fig. 10, it can be seen that the radiation intensity in
each direction of the three operating frequencies tested
in the anechoic chamber exhibits little difference in
the XOZ YOZ planes, and the omnidirectional
characteristics are obvious; however, the directivity is
stronger in the XOY plane. And the cross-polarization
performance of the antenna is not ideal. The measured
gains were 5.1 dBi (3.3 GHz), 2.7 dBi (2.2 GHz), and
13.6 dBi (5.2 GHz), respectively. The simulated antenna
efficiency is shown in Fig. 11. As can be seen from
the figure that the antenna efficiency is above 63% at
different frequency bands. However, the efficiency of
the antenna in the high frequency band is slightly
reduced. Lower antenna efficiency is mostly due to the
higher current flowing through the PIN diode.

Certainly, the error between the measured and
simulated data needs further analysis, with the reasons
for the error possibly caused by the following: First,

welding and PCB processing and other process errors;
second, consistency error of the antenna’s dielectric
material and transmission line; and, third, analysis of
the diode equivalent circuit, reduction degree of the
simulation software, and systematic error of the testing
instrument.
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Abstract — This paper introduces a new design for a
highly efficient and more compact size dual frequency
wireless power transfer (WPT) system, which can
operate at both 0.65 GHz and 1.56 GHz bands. The idea
of the structure depends on designing a symmetrical
system containing Tx and Rx. Each Tx and Rx has a
feed line on the top layer with two stubs; each stub has
different dimensions than the other one. The bottom
layer contains two C-shaped defected ground structures
(DGS). By changing the dimensions of one stub, the
frequency resonance corresponds to this stub is changed
without any change on the other resonance. The system
has a size of 20 x 20 mm?. Further, the system achieves
efficiencies of 72 % and 89 % at 0.65 GHz and 1.56 GHz,
respectively with a transmission distance of 8 mm. The
proposed dual frequency WPT is implemented and
verified. Good concurrences among electromagnetic
(EM) simulations and the measurements have been
attained. The system is suitable for recharging short-
range applications.

Index Terms — Dual Band (DB), stub, Wireless Power
Transfer (WPT).

I. INTRODUCTION

Wireless power transfer (WPT) technology comes
with the promise of cutting the last cord by allowing
recharge electronics devices as easily as data and the
power will be transferred through the air without cables.
WPT technology has been attracted many researchers in
recent and previous periods for its impact in numerous
prospective uses for instance sensor networks,
controllable automated equipment (tablets, mobile
phones, etc.), RFIDs, and so on [1-5]. The size of the
system (particularly the receiver), the power transferring
distance, and the efficiency are the furthermost key
factors to be addressed in designing the building blocks
of the WPT systems. Initially, the researchers have
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employed the coils for designing WPT systems and they
have investigated the effects of the coil’s parameters
on the coupling efficiency and the working frequency.
WPT is now applied as a viable method to power many
types of devices including portable consumer electronics
[6], electric vehicles [7], and biomedical implants [8].
Numerous of the short-range WPT methods are
employing lumped components [9]. However, these
components have sensible drawbacks in execution such
as occupying an excessive space. In addition, they
are lossy. Nonetheless, they are preferred in WPT
applications at low frequencies.

Newly, defected ground structure (DGS) is the
innovative technology that is presently used for
designing WPT systems [10-13]. Some designs of the
DGS are investigated and implemented for WPT like the
C-shaped design [14]. Most of the published ideas
investigate the usage of the modified DGS for obtaining
single band operations [15].

Lately, they have improved the DGS to realize
a dual band near-field WPT system [16-18]. However,
the dual-band WPT has many benefits over the single
band systems as implemented in [16]. The authors in
[10] studied the WPT system by employing the DGS
technique. Firstly, they suggested an H-shaped DGS with
a size of 25 x 25 mm? and an efficiency of 68% at
0.3 GHz at a transmission distance of 5 mm. Secondly,
the structure is enhanced and developed to be semi H-
shaped. The system has a size of 20 x 20 mm? with an
efficiency of 73%. In [11], a dual frequency system is
proposed. Further, it depends on two circular DGS
resonators whereas each circular is responsible for
frequency resonance. The system has a size of 30 x 15
mm? and the efficiencies are 71% and 71% at 0.3 GHz
and 0.7 GHz with a transmission distance of 16 mm. In
[17], a dual band system is proposed with a size of
12.5 x 8.9 cm? and efficiencies of 78% and 70.6% at
6.78 MHz and 200 kHz, respectively. In [19], the author
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introduced a dual-band rectifying circuit for wireless
power transmission working at 2.45 GHz and 5.8 GHz.
This system showed peak RF-to-DC efficiencies of 66.8%
and 51.5% at 2.45 GHz and 5.8 GHz, respectively.

Recently, the DGS resonators are extensively
explored for single and dual band operations of the WPT
applications [10-12,15,18-22].

In this paper, a new dual frequency WPT system
is proposed. The system introduces a new idea which
designs two stubs with different sizes for obtaining dual
band frequencies. The size of the system is 20 x 20 mm?
with efficiencies of 72% and 89% at 0.65 and 1.56 GHz,
respectively.

I1. COUPLED RESONATOR DESIGN

Listed below the configuration of the suggested dual
frequency system. Figure 1 (a) shows the top view which
contains a feed line with a width of W_f and a length
of 19.5 mm. The stubs are designed on the top with
different sizes, that responsible for dual band frequency
operation. Figure 1 (b) shows the bottom layer which
contains a C-shaped DGS with the same shorted points
connected with the top view. The design parameters are
recorded in Table 1. Figure 2 (a) shows the setting of the
suggested geometry of the coupled resonators which are
parted by a space of h mm. Figure 2 (b) represents the
equivalent circuit of the system. The equivalent circuit
presents a dual band resonance circuit and each circuit
is considered as a separate one. The equivalent circuit
contains (Lp1 and Cp1) which are the parallel elements of
the tank circuit related to the first resonance frequency
and (Lpz and Cpg) are related to the second resonance
frequency.
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Fig. 1. Top and bottom layers of the proposed design: (a)
top layer and (b) bottom layer.

Table 1: List of parameters

Parameter Value / Type
Substrate Rogers 4003C
&r 3.55
Thickness of
substrate (t) 0.83 mm
L 20 mm
Lrl 8 mm
Lr2 11 mm
Wrl 1.5 mm
g 0.5 mm
W_f 2 mm
Wr2 1.75 mm
W 20 mm
Gr 0.5 mm
Wr3 2 mm
Wr4 5.5 mm

Port_1

1 1 t Rogers 4003C
L
y X
i h

>

transmission distance

Rogers 4003C 1 t F

Port_2
(@)



(S J— Lps [ ——

(©)

Fig. 2. Equivalent circuit and 3-D view. (a) 3-D view.
(b) The equivalent circuit of the system. (c) The pi-
equivalent circuit (1) of the system.

It is desired to compute and extract the values of the
equivalent circuit parameters (Cp, Lp, Lm1, Lm2, and Cs)
from the simulation consequences for validations. Where
M; and M, are the mutual couplings between two
resonators [22], Lm: and Lmz are the mutual inductances
[22], and C; is the series capacitance. Equations (1) and
(2) are employed to calculate the equivalent circuit
parameters [21]:

Co=— pF, )
”[fo —fe ]
250

b e M @
where fc is the cutoff frequency and f, is the center
resonance frequency at each band alone.

At the first resonance frequency, the frequencies
are fu = 0.59372 GHz and f,; = 0.64793 GHz. By
substitution in equation (1) and (2), the extracted
parameters are Cp1 = Cpo = 14 pF and Lps = Lpo=4.29 nH.
In the same way at the second resonance frequency, the
frequencies are fe; = 1.4516 GHz and fy» = 1.5613 GHz.
By substitution in equation (1) and (2), the extracted
parameters are Cpz= Cps = 6.98 pF and Lpz = Lpa=1.48 nH.

Figure 3 compares the simulation results of the
equivalent circuit of the proposed design employing the
extracted parameters using the advanced design system
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(ADS) and the electromagnetic (EM) simulation by the
computer simulation technology (CST). The used EM
simulator is a 3D full wave solver based on a numerical
analysis technique using finite difference time domain
(FDTD) approach that computes the S-parameters. As a
result, acceptable correspondence is observed between
the two results.

S-parameters (dB)

: : — 511(dB)_Simulated

""" P e §21(dB)_Simulated [
: : = == S11(dB)_ECM

----- S21(dB)_ECM

0 | ;
0 0.5 1 15 2 25
Frequency (GHz)

Fig. 3. Comparison between the equivalent circuit (ADS)
and EM simulation (CST).

A. The study of transmission distance h

Figure (4) demonstrates the effect of the distance %
on the S-parameters. To find out the optimum distance
amid Tx (transmitter) and Rx (receiver), the transmission
distances are examined within multiple ranges at 6 mm,
8 mm, and 10 mm. The splitting between Tx and Rx
is noticeable at 6 mm, while the two resonances are
acceptable at 10 mm as discussed in [10]. From this study,
the 8 mm separation is a suitable transmission distance to
be used for this design.
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Fig. 4. The study of transmission distance 4: (a) S21
parameters and (b) S11 parameters.

B. Parametric study of Lr2

Figure 5 shows the effect of changing the length of
Lr2 from 7 mm to 11 mm. The study displays the changing
of the second resonance without any effect on the first
resonance frequency. This is suitable for controlling the
second resonance while the first resonance is kept
constant.
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Fig. 5. Parametric study of the length Lr2: (a) S11
parameters and (b) S21 parameters.

IHl. EXPERIMENTAL RESULTS

The proposed construction is fabricated and verified
for validations with the specifications in Table 1. The
fabrication of the proposed structure was done by a
photolithographic method and the layers of the fabricated
prototype are shown in Fig. 6 (a). Figure 6 (b) shows the
configuration of the proposed structure at a separation
distance of 8 mm. The measurements are done using the
R&S ZVB20 vector network analyzer. The photograph
of the fabricated sample is shown in Fig. 6 (a). Figure 6
(c) shows the comparison of the simulation and the
measurements. The obtained measurements are in good
correspondence with the simulation as displayed in Fig.
6 (c).

The coupling efficiency (n) of the system is
calculated using equation (3) [10,20]. The figure of
merits (FoM) demonstrates the performance of the
system and calculated using equation (4) [10,20]. The
measurement results are presented in Fig. 6 (c). The
system achieved efficiencies of 72% and 89% at 0.65
GHz and 1.56 GHz at a transmission distance of 8 mm.
The estimated FoMs using equation (4) are 0.288 and
0.356 at 0.65 GHz and 1.56 GHz, respectively:

|s2112 (3)

1-[s14]%”’

FoM =n X+, 4)



where 1) is the coupling efficiency and A is the total area
of the resonator.

S-parameters (dB)
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Fig. 6. The fabricated structure and experimental
measurements. (a) Top and bottom views. (b)
Measurement setting at a distance of 8 mm. (c)
comparison between the measurement and simulation at
a distance of 8 mm.

Table 2 offers a comparison between the proposed
structure and other recent works in terms of size, FoM,
efficiency, and separation distance. From Table 2, the
proposed design has worthy FoM and size compared to
the previous cited works.
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Table 2: The differences between the suggested structure
and previous works

System [21] [17] [22] This work
MH2z 570and | 0.2and | 280and | 650 and
2440 6.78 490 1560
h (mm) 12 25 6 8
70.6 and | 91.2 and
Nwer% |69 and 81 78 79.43 72 and 89
FoM 0.331and| 0.17and | 0.27and | 0.288 and
0.388 0.19 0.23 0.356
SIZe | o5 x 25 | 125%89 | 20x20 | 20 x 20
(mm?)

V. CONCLUSION

The dual frequency system is designed, analyzed,
and fabricated. The system achieved efficiencies of 72%
and 89% at 0.65 GHz and 1.56 GHz, correspondingly
at 8 mm separation. The system has a compact size
which is suitable for recharging electronics devices and
biomedical devices. The experimental performance of
the suggested design is in an appropriate concurrence
with the simulated one.
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Abstract — In this paper, a 2.4 GHz electromagnetic
radiation system for cells in vitro was designed from the
perspective of optimal energy coupling of cell samples.
The validity of the design was verified by FDTD
simulation, physical test and biological experiment. The
electromagnetic parameters of SAR (Specific Absorption
Rate) and temperature rise were obtained by FDTD
simulation. The validation of temperature simulation was
confirmed by comparing the actual measurement data
and the simulation data. The SAR relative uniformity
between samples was tested by cell biological experiment,
in which ROS (Reactive Oxygen Species), a typical and
sensitive biological parameter reacting to electromagnetic
radiation in cells, of different sample dishes induced by
2.4 GHz electromagnetic radiation with an incident
power of 0.5 W was analyzed. We found that the size
of cell dish affects the energy coupling intensity, the
polarization characteristics of electromagnetic wave
determines the distribution pattern of SAR, and the
uniformity of sample energy absorption in this radiation
system is good.

I. INTRODUCTION

In the electromagnetic radiation experiments of cells
in vitro, the cell samples and their containers (such as test
tubes [1], flasks [2] and dishes [3]) are generally placed
in the radiation system to observe and test the biological
effects of electromagnetic radiation. The cell radiation
systems in vitro mainly include: TEM (Transverse
Electromagnetic) cell [4], waveguide cavity [5], WPC
(Wire Patch Cell) device [6], anechoic chamber [7], etc..

Some achievements have been made in the design
and research of the radiation system so far, but there are
still difficult points and deficiencies, which are mainly
reflected in the following aspects: ) Most radiation
devices could not guarantee the basic environment of the
cell survival, such as constant temperature, humidity,
carbon dioxide, oxygen, sterility, etc., which results in
large systematic error of biology experiment results. @
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Generally, most of the cells cultured in vitro have the
characteristics of adherent growth and growth inhibition,
which means that the cells will adhere to the bottom of
the container and grow into a monolayer with a thickness
of 5-10 um. The sensitivity of the existing test instruments
can hardly obtain the actual data of electric field intensity
and SAR value in the cell layer. Even if the data is
detected, the error is large. (3 Although the structure of
the cell layer and cell samples is simple, it is difficult to
obtain uniform radiation field in a cell layer, especially
the uniformity of SAR between multiple samples in
one radiation system. There is a lack of biological
verification study on the influence of non-uniformity of
SAR on biological results. @ Lacking of standards for
radiation environment, radiation mode, excitation source,
spatial location relationship and size and sample coupling
direction, results in poor repeatability and reliability
of the biological conclusions. Hence, it is necessary
to design a 2.4 GHz electromagnetic radiation system
for cells in vitro, and comprehensively investigate the
rationality and effectiveness of the design combined with
biological and physical verification methods.

In daily life, the electromagnetic waves we exposed
to are mostly 2.4 GHz uniform plane waves, and the
polarization modes of the uniform plane waves are
mainly linear polarization and circular polarization. The
industrial microwave heating equipment and medical
physiotherapy equipment in ISM (Industrial Scientific
Medical) frequency band also produce Gaussian pulse
waveform. Furthermore, it is found that the size of
biological samples also affects the energy absorption
of electromagnetic waves [8]. Considering that the
characteristics of electromagnetic waves and sample size
might influence the energy coupling in cell samples, the
polarization and waveform characteristics of 2.4 GHz
electromagnetic waves and the diameter of cell dishes
were set as variable quantities in FDTD simulation of
this study to get a comprehensive understanding of the
essential factors that determine the interaction between
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electromagnetic waves and biological samples.

Il. CELL DISH MODEL

The basic requirements of the sample containers for
cell radiation experiment are large bottom area with
enough cells, low center of gravity and easy to set into the
radiation system. Among the numerous containers for in
vitro cell culture, the bottom of a test tube is hemispherical,
and a special scaffold is needed to hold in place. The
height of a culture flask is large and not easy to be placed
into the radiation system. The cell dishes are low in height,
large in bottom area and stable in placement. Hence, cell
dishes are ideal containers for cell radiation experiment.
The common cell dish types are 35-mm and 60-mm.

As shown in Fig. 1, the 60-mm cell dish with no lid
was modeled as a hollow cylinder with an outer radius of
30 mm, an inner radius of 28.5 mm, a wall thickness of
1.5 mm and a height of 15 mm. The culture medium was
modeled as a solid cylinder with a height of 1.6 mm. The
radius of the culture medium cylinder was the same as the
inner radius of the cell dish. The volume of the culture
medium was 4 mL (a conventional amount in 60-mm cell
dish). The electrical properties and thermal parameters are
given in Table 1.

Table 1: Electrical properties and thermal parameters of
materials at 37°C 2.4 GHz [7,9]

o Cki | KW o
lEm? | (kgeO) ) | (km)Y) | (kgm?)

Medium | 71 | 25 4.2 0.6 1000

Petri dish | 2.5 | 0.001 | 0.12 L2 1100

The modeling of the 35-mm cell dish was similar to
that of the 60-mm cell dish model. The outer diameter of
the 35-mm cell dish was 35 mm, and the inner diameter
was 32 mm. The wall thickness was 1.5 mm, and the
height of the cell dish was 10 mm. The volume of the
culture medium was 2 mL (a conventional amount in
35-mm cell dish).

There is an adherent cell monolayer between the cell
dish and the culture medium. The thickness of the cell
monolayer is the cell diameter, generally 5-10 pm. For
such a thin cell layer, there are two methods of modeling.
The first one is non-uniform grid modeling: set the grid
height at 10 um for the cell layer, then gradually increase
the grid size from the cell layer to outwards. But the
starting base of the grid size is too small, the design and
calculation of the grid are very cumbersome. The second
method is to design a uniform grid. If the grid is set
according to the actual thickness of the cell layer of 10 pm,
there will be too many calculations even for computers.
Zhao [10] confirmed that for highly dissipative materials,
the spatial step size around 0.1 mm would be small enough
to reduce the finite differential error to an acceptable level.
Considering the storage capacity and computing time of
the computer, the space step size should be properly
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selected. Consequently, in this paper, uniform space step
of 0.1 mm was used to model the cell dish, cell layer,
culture medium and surrounding space, and a layer of grid
above the inner bottom wall of the cell dish was set as the

cell layer (Fig. 1 (b)).
15m
V

m
<& 60mm ——> @

1.7 mm

Culture medium

Cell Monolayer

1.5mm (b)

Fig. 1. 60-mm cell dish model: (a) cell dish size, and (b)
local size of the cell dish.

MC3T3-E1 cells of mouse osteoblastic cell line were
chosen as the cell samples for this electromagnetic
radiation experiment. MC3T3-E1 cells in the induction
culture have the characteristics of proliferation,
differentiation and mineralization, consequently, the
dielectric constant of the cell layer is changing in different
periods of cell radiation experiments. The dielectric
constant of osteoblasts could not be accurately calculated,
nor could the dielectric constant of other cells or bone
tissue be directly used for simulation. Considering that the
energy transfer and heat production of the cell layer could
be ignored [11], and the composition of the culture
medium is very close to that of most cells in vitro, the
dielectric constant of the cell layer was set the same to the
dielectric constant of the culture medium.

I1l. EFFECT OF CELL DISH SIZE ON SAR
DISTRIBUTION

The 35-mm and 60-mm cell dish models were
respectively radiated by 2.4 GHz linearly polarized plane
wave. The wave source was located right below the
cell dish, and the PML boundary condition was used to
simulate the distribution of SAR values in the cell layer
of a single cell dish model in an infinite space.

The distribution of SAR values in one single cell

dish were simulated by FDTD solutions. As shown in Fig.

2 and Fig. 3, the trend of SAR distribution in the cell
layer of 35-mm cell dish and 60-mm cell dish is similar.
However, the size of the cell dish can affect the
aggregation intensity of electromagnetic waves in the

83



cell layer. The relatively high SAR values in the cell
layer of the 60-mm cell dish account for more proportion
than that of the 35-mm cell dish, which means the energy
coupling effect of the cell layer in 60-mm cell dish is
higher than that in 35-mm cell dish. Therefore, it is more
likely to start the bioelectromagnetic effect of cells in
60-mm dish at 2.4 GHz.

35 I 1
3
— ©
>
—~ [«5)
£ _ 2
E 115 ks
> I~
S

— 0

0 -175 0 17.5

X (mm)

Fig. 2. SAR distribution in the cell layer of 35-mm dish at
XOY plane with 2.4 GHz linear polarization plane wave.

60

SAR relative value
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Fig. 3. SAR distribution in the cell layer of 60-mm dish at
XOY plane with 2.4 GHz linear polarization plane wave.
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Fig. 4. The energy transmission efficiency of 2 GHz~4
GHz linear polarization plane wave through 60-mm dish
sample model.
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It can be seen from Fig. 4 that the overall energy
transmission efficiency of 2 GHz~4 GHz linear
polarization plane wave is basically below 30%, which
means that the residual energy is less than 30% of the
original incident energy after passing through the 60-mm
cell dish, cell layer and culture medium. In the frequency
range of 2 GHz~4 GHz, the transmission efficiency of
co-polarization and cross polarization waves is the same.
At 2.4 GHz, the overall energy transmission efficiency
curve of linear polarization plane wave reaches the
lowest point (less than 10%). Consequently, the 60-mm
sample model has a significant energy absorption of
linear polarization plane wave at 2.4 GHz, and more than
90% of the energy is absorbed by the sample dish model.

IV. EFFECT OF WAVEFORM ON SAR
DISTRIBUTION

The SAR distribution in the cell layer of a single
60-mm dish model with 2.4 GHz linear polarization
Gaussian wave is shown in Fig. 5. From the comparison
of SAR distribution in Fig. 5 and Fig. 3, it can be
concluded that wave forms have mild effect on the
distribution pattern of SAR in the cell layer of the 60-
mm cell dish model.

60

30

Y (mm)
SAR relative value

X (mm)

Fig. 5. SAR distribution in the cell of 60-mm dish at
XOY plane with 2.4 GHz linear polarization Gaussian
wave.

V. EFFECT OF POLARIZATION MODE ON
SAR DISTRIBUTION

The cell layer SAR distribution of a single 60-mm
dish model with 2.4 GHz circular polarization plane
wave and circular polarization Gaussian wave is shown
in Fig. 6 and Fig. 7.

As shown in Fig. 3, Fig. 5, Fig. 6 and Fig. 7, the
polarization characteristics of 2.4 GHz electromagnetic
waves are the main factors to the distribution pattern
of SAR, while the waveforms have mild effect on the
distribution pattern of SAR.



SAR relative value

Fig. 6. SAR distribution in the cell layer of 60-mm dish
model at XOY plane with 2.4 GHz circular polarization

plane wave.
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Fig. 7. SAR distribution in the cell layer of 60-mm dish
model at XOY plane with 2.4 GHz circular polarization
Gaussian wave.

VI. CELL RADIATION MODELING
SYSTEM

The basic requirements of an ideal biological sample
radiation system are: (O A stable air environment with
constant temperature, humidity, carbon dioxide and
oxygen and free from germs to ensure the basic living
conditions for cells in vitro. @ A stable radiation
environment with relatively uniform SAR values between
samples and no interference of external radiation signal.
(® Multiple sample containers can be accommodated in
the radiation system to provide an adequate amount of
samples. @ Maximize energy coupling of the samples
can be achieved, so that the biological effects can be
started easily.

It has been found that when the ratio between the
sample size and wavelength is 0.4:1, the energy coupling
effect is the best [8]. The wave length of 2.4 GHz
electromagnetic wave is 12.24 cm, therefore the optimal
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size of sample is about 5 cm. The 60-mm cell dish with
an inner diameter of 5.7 cm is the best cell container
close to the optimal size. In part 111 of this study, it has
been verified that the energy coupling effect of the cell
layer in 60-mm cell dish is better than that in 35-mm cell
dish. In order to increase the total amount of samples, six
60-mm cell dishes were set in the radiation system. The
culture medium is right above the monolayer of adherent
cells in the cell dish. The frequency of 2.4 GHz is
1/10 of the resonance frequency of water molecules.
Water in the culture medium will strongly absorb the 2.4
GHz electromagnetic radiation. Therefore, the signal
transmitting antenna was placed 3 cm below the cell dish
to reduce the radiation loss and distance attenuation and
to ensure a convective space. In order to achieve the
maximum energy absorption and radiation uniformity,
the signal transmitting antenna was placed perpendicular
to the cell layer [13], as shown in Fig. 8.

Notebook computer | & A

Cell incubator

()

33cm

Signal receiving antenna

62 cm

wass; Sample dishes

3 y
1acm
Signal transmitting ‘T’
antenna
Zf

cm

v

|f 48 cm

4.‘

Fig. 8. Sketch map of sample placement in the cell incubator.

The environment of constant temperature, humidity,
carbon dioxide and oxygen concentration and free
from germs inside the cell incubator is the most ideal
environment for cell culture. The double-layer metal
shell of the cell incubator can also shield the interference
of external electromagnetic waves, which meets the
requirements of the radiation environment for the
bioelectromagnetic experiments. The samples and the
radiation equipment were placed in the cell incubator for
cell radiation experiments, and the whole system could
be considered as a TEM chamber. According to the
requirements for the experimental space of the TEM
chamber, the sample size should be less than 1/8 of the
chamber size. Therefore, the length of the cell incubator
used for cell radiation should not be less than 48 cm.
According to the size of the incubator and the cell
samples and the position of the radiation system
components in the cell incubator, the 1:1 modeling was
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built up (Fig. 8).

The temperature rise of cell layer was obtained by
MATLAB software combined with the electric field
strength simulated by FDTD solutions and biological
heat conduction equation which has been deduced in our
previous research [12]. 2.4 GHz plane wave was used
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in simulation, since all electromagnetic waves could be
expanded by plane wave, which is similar to the sine
component of Fourier expansion. The power intensity
was set to 0.1 W and 0.5 W, and average SAR values of
the cell layers are 0.17 W/Kg and 0.84 W/Kg respectively
(Table 2).

Table 2: The SAR average and standard deviation of the cell layers in the six dishes

1 2 3 4 5 6 Total
01W Mean (W/Kg) 0.2519 0.2519 0.1387 0.1387 0.1107 0.1107 0.1671
' Deviation 0.1041 0.1041 0.0547 0.0847 0.0433 0.0433 0.0674
0.5W Mean (W/Kg) 1.2594 1.2595 0.6936 0.6936 0.5537 0.5537 0.8356
' Deviation 0.5203 0.5203 0.2733 0.2733 0.2164 0.2194 0.3367

The general temperature trend of the cell monolayers
of six cell dishes within 180 minutes is shown in Fig. 9.
The temperature trend of the maximum temperature
point of the cell monolayers within 180 minutes is shown
in Fig. 10. The heat balance point is around 90 min. The
maximum temperature rise point of cell layer is 0.2°C of
0.1 W 2.4 GHz plane wave, and 1.1°C of 0.5 W 2.4 GHz
plane wave.
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Fig. 9. General temperature trend of the cell monolayers
of six cell dishes within 180 minutes.
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Fig. 10. Temperature trend of the maximum temperature
point within 180 minutes.

VII. PHYSICAL VALIDATION

In an open space, 2.4 GHz plane wave was vertically
radiated from the bottom of a single 60-mm sample dish.
The power density values on the culture medium surface
were measured at three random points, and the average
value of the three random points was recorded. The
energy transmission efficiency calculated from one
average value of the power density was considered as
one effective data. The energy transmission efficiency
data were calculated and recorded for three times, then
compared with the theoretical value of 2.4 GHz plane
wave energy transmission efficiency obtained by FDTD
simulation. It can be seen from Fig. 11 that the measured
values of the energy transmission efficiency of 2.4 GHz
plane wave are close to the theoretical value, and the
simulated and measured energy absorption efficiency of
samples are both more than 90%.
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Fig. 11. Comparison between simulated theoretical value
and measured value of the energy transmission efficiency.

In the cell radiation system, the temperature rise
values of the cell layers in six dishes were measured, and
the average values were recorded every 10 minutes, then
compared with the simulated temperature rise. As shown
in Fig. 12, the theoretical temperature rise trend is in
good agreement with the measured temperature rise
trend.

VIII. BIOLOGICAL VALIDATION
As shown in Table 2, the SAR values between cell



dishes are not identical. The thermal effect of 2.4 GHz
electromagnetic radiation increases the temperature of
the maximum temperature point of cell layer about 1°C
with 0.5 W incident power (Fig. 10). The influence of
the inhomogeneity of SAR between samples and the
temperature rise in cell layers caused by the thermal
effect of 2.4 GHz electromagnetic radiation on the
biological experiment results need to be analyzed by cell
biological experiments.
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Fig. 12. Comparison between simulated theoretical
temperature rise value and measured value.

ROS is a typical and sensitive biological parameter
reacting to electromagnetic radiation [14]. Therefore,
ROS was used to investigate the response of cells in six
dishes to 2.4 GHz plane wave with an incident power of
0.5W.

MC3T3-E1 cells induced by conditional culture
were irradiated with 0.5 W 2.4 GHz plane wave for
90 minutes in a 37°C incubator. ROS was detected
immediately after the 90-min irradiation. The amounts of
ROS in the six cell dishes were recorded as 1#, 2#, 3#,
44, 5# and 6#, respectively. Labeling sequence of the
cell dishes was the same as Table 2. In the control group,
the cell incubator temperature was 37°C, the radiation
equipment was not turned on, and the ROS was measured.
In the sham group, the cell incubator temperature was
37°C, the radiation equipment was turned on, but with
no signal transmission, and the ROS was measured after
the 90-min irradiation. In the T+1°C group, the radiation
equipment was not turned on, but the temperature of
the cell incubator increased to 38°C, and the ROS was
measured after 90 minutes. The statistical results of
experimental data are shown in Fig. 13.

As shown in Fig. 13, there is no significant difference
between the T+1°C group and the control group, so the
change of ROS is caused by the "non-thermal effect” of
2.4 GHz 0.5W plane wave irradiation, rather than the
"thermal effect". There is no significant difference
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between the control group and the sham group, therefore
the influence of heating from the radiation equipment
and antenna on the biological experimental results can
be excluded. Although the ROS levels of 1#, 2#, 3#, 4#,
5# and 6# cell dishes are statistically different from those
of sham group, control group and T+1°C group, there is
no significant difference among 1# to 6# cell dishes,
which is equivalent to using a biological experiment
method to verify the uniformity of sample energy
absorption in the radiation system.
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Fig. 13. ROS relative level in cells after 90-min 2.4 GHz
0.5W plane wave irradiation (p>0.05 -, p <0.05 *).

IX. CONCLUSION

A 2.4 GHz electromagnetic radiation system for
cells in vitro was designed from the perspective of
energy coupling of cell samples, and the parameters
were optimized. This design could not only guarantee
the basic environment of the cell survival but also the
relatively consistent of radiation absorption between the
samples on biological results. In the future, the different
frequency bands and antennas and the signal processing
method can be used for the experiments and data
acquisition [15-21].
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Abstract — In the present work, a U-shaped CPW
resonator (CPWR) with, generally, unequal arms is
proposed to produce high Q-factor bandstop filter (BSF)
based on broadside-coupling between the CPWR and
a CPW through-line (CPWTL), which are printed on
opposite faces of a thin substrate. The unequal arms of
the U-shape and the finite width of the ground strips of
the CPWR are shown to produce much higher Q-factor
than that of equal arms and infinitely extending side
ground planes. The dimensions of the CPWTL are
optimized for impedance matching while the dimensions
of the CPWR are optimized to obtain the highest Q-
factor. The effect of the loss tangent of the dielectric
substrate material on the Q-factor is investigated. It is
shown that the difference between the lengths of the
unequal arms of the U-shaped resonator can be used
to control the Q-factor. Thanks to the computational
efficiency of the employed electromagnetic simulator,
enough number of trials has been successfully performed
in reasonable time to arrive at the final design of the
BSF. A prototype of the proposed BSF is fabricated
for experimental investigation of its performance. The
experimental measurements show good agreement when
compared with the corresponding simulation results.

Index Terms — Bandstop filter, CPW resonator, dual-
band filter, high Q-factor.

I. INTRODUCTION

High Q-factor bandpass and bandstop filters can be
designed from microwave resonators such as such as
printed transmission lines, two and three dimensional
cavities such as printed slots and patches. Microwave
high Q-factor bandstop filters (BSFs) have been widely
used in communication systems for rejecting unwanted
frequency signals to enhance the system performance [1-
4]. For example, the BSF in the transceiver of the ground
station of a satellite communication system. The BSFs
are often needed in the frond-end to pass the downlink
signals received by the ground station antenna and to
block the uplink signals originated at the transmitting
antenna of the same ground station. Multiple-band BSFs
are required for many applications [5-10].
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The principal advantage of CPW is that the signal
line and the signal grounds are placed on the same
substrate surface. This reduces the dielectric losses and
eliminates the need for via holes which simplifies the
circuit fabrication. Moreover, the absence of via holes
allows simple connection of series as well as shunt
components [11-13]. Also, the CPW exhibits lower
conductor loss than microstrip lines which is a major
advantage [14], [15].

CPW circuits design can be based on both the odd
and the even CPW modes [16]. Moreover, CPWs are
open structures, and do not require metallic enclosures
[17]. Resonators composed of CPW have their
distributed element construction avoiding uncontrolled
stray inductances and capacitances, and, thereby, have
better microwave properties than lumped element
resonators.

Q-factor improvement of BSFs has been achieved in
literature using printed transmission lines with defected
ground structure (DGS) [18-21]. However, the achieved
Q-factor is always limited to a few dozens or even lower
with some complexity of the structure and needs for
lumped elements. The end-coupled and edge-coupled
CPW resonator structures are commonly used for
microwave and millimeter-wave filter design [22]. The
interchange of energy in the end-coupled resonators with
the coupling gap may be insufficient, even when very
narrow gaps are employed. Due to this reason parallel-
or edge-coupled CPWRs are more commonly used than
end-coupled CPWRs [22]. However, broadside coupling
results in the strongest coupling among all these coupling
methods [5]. In [23], a U-shaped CPWR of equal arms
has been used to produce high Q-factor BSF. The present
work employs U-shaped CPWR of unequal arms to
get higher Q-factor. Moreover, the proposed resonator
enables more control of the Q-factor by properly setting
the difference between the arm lengths of the U-shaped
resonator. In the BSF proposed in this work, the CPWR
is printed on the bottom layer of the dielectric substrate
and the CPW through-line (CPWTL) on the top layer,
which enables enhanced broadside coupling. This
structure has the advantage that the length over which the
broadside coupling is achieved can be easily set to get
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the required bandwidth of the BSF or, equivalently, the
Q-factor. Another advantage is that the length of the
CPWR is simply set to tune the center frequency of
the stop band. Moreover, the input impedance of the
CPWTL is not sensitive to the substrate thickness, which
allows impedance matching independently of the
substrate thickness. This provides the design freedom to
use the substrate thickness as a major design parameter
for controlling the strength of broadside coupling and,
hence, the Q-factor of the BSF.

In the following section the proposed design of the
BSF is presented. The rules of the design are given in
Section Il1. A prototype of the proposed high Q-factor
BSF is fabricated and experimentally studied for more
understanding of the underlying physical principles of
operation and for verifying some of the simulation
results in Section IV.

Il. THE PROPOSED BSF DESIGN

The geometry of the BSF proposed in this work
is presented in Fig. 1 with the indicated symbolic
dimensional parameters. This filter is constructed as a U-
shaped CPWR with unequal arms broadside coupled to
a CPWTL. Both the CPWR and the CPWTL have finite
width ground strips as shown in the figure. The U-shaped
CPWR is open-ended half-wavelength resonator. This
design necessitates that the strips and slots of the
CPWR have the same width as those of the CPWTL. The
CPWTL is almost unloaded as long as the operating
frequency is far from the resonant frequencies of the
U-shaped CPWR, leading to complete microwave
power transfer between the filter ports (1) and (2). The
microwave power is absorbed and stored in the U-shaped
CPWR only over a very narrow frequency band around
the resonant frequency, this prevents any power transfer
between the filter ports and, thereby, leading to high Q-
factor BSF response.

The finite width of the side ground strips of
the CPWR results in much higher Q-factor than that
obtained when using a CPWR of infinitely extending
side ground planes. This is because the lower profile of
the CPW with finite-width ground results in lower
radiation loss and narrower frequency band for coupling,
which, in turn, enhances the Q-factor.

The input impedance (Z;,) matching at the filter
ports, the center frequency (f.) and the bandwidth
(equivalently the Q-factor), are the most important
design goals of the proposed BSF. One of the major
advantages of the proposed design is that each of these
design goals can be achieved (almost independently of
the other two goals) by adjusting only one or two
independent parameters. Table 1 gives a list of the
dimensional parameters that can be used to achieve the
required filter performance metrics.

Each of the design dimensional parameters, (s, w,
Lg, Lg, h) can be set to affect significantly one of the
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design goal parameters (Z;,, fe, Q) according to Table 1
without significant effects on the other design goal
parameters. The theoretical design rules to achieve the
BSF design goals are discussed in detail in Section III.

Dielectric substrate

_ Conducting strip on the top layer

---------- i Conducting strip on the bottom layer

| Ly |

i

Fig. 1. Schematic of the proposed design for high Q-
factor BSF constructed as CPWTL broadside-coupled to
a U-Shaped CPWR.

Table 1: List of the independent design parameters that
can be used to achieve the design goals of the BSF

Design Goal Dimensional
Parameter
Symbol | Description | Symbol | Description
Central
. Input s Strip Width
mn Impedance w Side Slots
Width
f Center L Resonator
€ Frequency R Length
Ly Coupliﬂg
Lengt
Q Q-Factor L Substrate
Height

I1l. THEORETICAL ANALYSIS OF THE
BSF DESIGN
The resonance frequency (f,) of an open-ended
CPWR is inversely proportional to the CPWR length
(Lg), this can be expressed as follows [17]:
nc

fo=—— n=12,

2Lp (e, o @)

where &, fr is the effective dielectric constant of the



quasi-TEM mode of the CPW, c is the velocity of light
in free space, and n is the resonance mode order.

The effective dielectric constant of the quasi-TEM
mode of the CPW can be expressed as follows [17]:

g —1 K(ko) K(ky)

£ =1+ —, 2

rerf 2 K(ko) K(ky) @

where ¢, is the dielectric constant of the substrate

material and K denotes the complete elliptic integral of
the first kind, which is defined as follows:

T

Z dao
K = [ = ®)

o V1 —ksin?6
The arguments, k,, ko, kq, and k,, of K are defined as
follows:

_ sinh (%) 4)

The characteristic impedance of the quasi-TEM mode of
the CPW is expressed as follows [17]:

30m  K(ko)

ZO = .
K(k ®)
PG

In spite of being formulated for a CPW of infinitely
extending ground, the expressions (2) and (5) can be
used as preliminary design rules for a CPW with side
ground strips of finite width with good accuracy as long
as the ground strip width wy is kept greater than the
central strip width and the side slot width. According to
(5), by setting the proper values of the strip and slot
widths, a 50Q characteristic impedance of the CPWTL
can be obtained.

A. Calculating the Q-factor of the BSF

The resonance frequency of the BSF can be shifted
(from that of the unloaded resonator) due to the
broadside coupling between the U-shaped CPWR and
the CPWTL which causes external loading on the
resonator. This is because of reactive coupling, as part of
the energy is stored in the electric field of the coupling
reactance. The broadside reactive coupling to the
through-line can be considered as a loss channel, which
decreases the resultant (loaded) Q-factor. Thus, the total
(loaded) Q-factor can be evaluated through the following
relation.
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1 1 1

Q-0 e ©
where, Q,, is the self or internal (unloaded) Q-factor of
the CPWR without being coupled to the through-line and
Q. is the external Q-factor due to coupling. Theoretically,
a lossless CPWR has infinite unloaded Q-factor, Q,, =
co. However, practically, @,, is limited by the conductor
and dielectric losses. The external Q-factor Q, dominates
the total Q for low-loss CPWR.

The external Q-factor can be expressed as follows:

1 1 1

% e @
where Qy is an equivalent Q-factor related to the
radiation loss and Q. is an equivalent Q-factor related to
the reactive coupling between the resonator and the
through-line, which can be considered as a loss channel.

B. Unloaded Q-factor of the CPWR

For the BSF design shown in Fig. 1, the CPW region
forming the perimeter of the U-Shape can be considered
an open-ended half-wavelength transmission line
resonator. The unloaded Q-factor of both short-circuited
and open-circuited half-wavelength CPWR can be
expressed as follows [17],

Q = il =& & =& £ 8
u 2aLR1/2 20+ Teff  2ca+l Teff’ ©))

where, LR1/2 is the length of the half-wavelength

resonator, f3, is the free space wave number, w, is the
resonant angular frequency, « is the attenuation constant
of the CPW, and ¢, . is given by (2).

The attenuation constant « of the CPW is related by
the conductor and dielectric losses and, hence it can be
expressed as follows:

a=a.+ay, 9)

where, a, is the attenuation caused by the conductor loss
whereas «, is the attenuation caused by the dielectric
substrate loss. For a transmission line made of high-
conductivity metals like copper (o = 5.6 x 107S/m) the
dielectric loss dominates, which means that a; > a,
and, hence, for a CPW carrying TEM mode, the
attenuation constant can be approximated as follows:

wotand I
Z—C 87”eff' (10)

Making use of (10), the expression (8) of the unloaded
Q-factor of the CPWR reduces to the following:

1
Qu

T tané’

Substituting from (11) into (6), the total Q-factor can be
expressed as:
Qe

~1 + Q. tané’

axay =

(11

Q (12)
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If the loss tangent of the dielectric substrate is known,
equation (12) can be used to calculate the external Q-
factor, Q,, given that Q has been obtained by simulation.

C. Calculating the coupling Q-factor using semi-
analytical method

It may be useful to assess the effect of the reactive
load caused by broadside-coupling to the CPWTL on the
Q-factor of the U-shaped CPWR. This can be achieved
by evaluating Q. which is related to reactive coupling.
As this Q-factor is difficult to be evaluated analytically,
a semi-analytic method it is proposed in the present
section. First, the total Q-factor, Q, of the BSF is obtained
numerically by electromagnetic simulation, where the
commercially available CST™ package is used in the
present work for this purpose. A low profile of the CPW
ensures low radiation loss and, hence, the term 1/Qj in
(7) can be neglected leading to the following expression
for the external Q-factor:

Qe = Q. (13)
The last expression means that the external Q-factor is
dominated by the coupling Q-factor for well-designed
BSF. Making use of (12) and (13), the coupling Q-factor
can be evaluated as follows:
Q

chl—Qa'

(14)

IV. NUMERICAL RESULTS AND

EXPERIMENTAL MEASUREMENTS

In the present section, both the numerical results
obtained by simulation and the experimental results
obtained by microwave measurements of the fabricated
BSF prototype are presented, discussed and compared
for the purpose of arriving at accurate performance
assessment and understanding of the resonance
mechanism underlying the proposed BSF operation.

In the electromagnetic simulations, for a substrate of
size 40 mm X 40 mm and height 0.2 mm, the simulation
(execution) time for each of the studied cases to reach
the final design is about 20 minutes with accuracy of
—40 dB using the frequency domain solver on a core
17-3.6 GHz processor, 16G RAM and 64-bit operating
system. Hexahedral meshing is used with 15 cells/
wavelength for all simulations.

The results for the external Q-factor obtained by
the semi-analytic method described in Section I11-C are
presented and discussed. It should be noted that the
following presentations and discussions of numerical
and experimental results are concerned with BSF with
unequal arms as that shown in Fig. 1 designed with
the following dimensional parameters, unless otherwise
stated: s = 0.1 mm, w = 0.1 mm, w; = 0.2 mm, L =
10 mm, W, = 8.6 mm, L; = 16.9 mm, L, = 13.1 mm,
and Ly =28mm, Ly =L; +L,+ Lg. The substrate
material is Rogers RO3003CTM with dielectric constant
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& = 3.38, dielectric loss tangent tand = 0.001 and
height h = 0.25 mm. The metal strips and ground are
made of copper and have conductivity ¢ = 5.6 X 107S/
m. A model with the same dimensions as that of the
experimental prototype of the BSF is constructed for
electromagnetic simulation using the commercially
available CST™ package. This model is presented in
Fig. 2 showing the detailed dimensions. At the input and
output ports of proposed filter, the transitional tapered
CPW region is designed to satisfy impedance matching
between the 50Q impedance of the microwave source
and the characteristic impedance of the CPWTL.

10 mm ). 10 mm
- ailint

0.70 mm
-

1
0.70 mm
.
n
0 maY

Fig. 2. Dimensions for the CST™ model of the proposed
BSF (Note: the red color is for the strips printed on the
viewed layer whereas the gray color is for the strips
printed on the other layer).

In the following presentation, some comparisons are
made between the simulation and experimental results
concerned with the frequency response of the BSF at its
15t and 2"9 resonances.

A. Frequency response of the proposed BSF

The frequency response of the transmission
coefficients |S,,| of the proposed dual BSF with the
design parameters given in Fig. 2, is presented in Fig.
3. It is assumed that the CPWR is made of copper
conductors on a dielectric substrate of &. = 3 and loss
tangent & = 0.001. The frequency response exhibits two



sharp anti-peaks: the first one is at f = 3.12 GHz, with
Q-factor of 155, whereas, the second anti-peak is at
f = 6.25 GHz, with Q-factor of 46.

The mechanisms leading to these values of the
resonant frequencies and the corresponding Q-factors
can be explained in view of the surface current
distributions at the 15t- and 2™d-order resonance
frequencies of the open-ended CPWR formed by the
perimeter of the U-shape, which is presented in Fig. 4.
At the 15t-order resonance, the current distribution has
one maximum value almost centered at the right corner
of the U-shape, whereas the current distribution shows
two maxima near the centers of the arms of the U-shape.

T ]

A0+

IS,,1 (dB)

-25

2 25 3 35 4 45 S5 55 6 65 7 715 8
Frequency (GHz)

Fig. 3. Frequency response of the transmission coefficient
|S,,| of the BSF (with the design shown in Fig. 2) based
on the U-shaped half-wave length CPWR.

dB
5
-10
15
e |
20

Second Resonance
f=6.23 GHz

First Resonance
f=3.12 GHz

Fig. 4. Surface current on the conductors at the
frequencies corresponding to the 15t-order and 2™4-order
resonances of the U-shaped CPWR.

It is shown that, as this CPW region is a half-
wavelength resonator whose total length is 38.4 mm,
the resonance frequencies can be calculated using (1),
which gives f; = 3.3 GHz and f, = 6.4 GHz. The slight
deviation of the resonant frequencies obtained by
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simulation from the theoretical values obtained by (1)
can be attributed to the reactive load resulting from
coupling the CPWTL to the CPWR as part of the energy
is stored in the electric field of the coupling capacitance
and, thereby causing a shift of the resonant frequency.
Moreover, a part of the frequency shift can be attributed
to the error of the approximate analytic formula for Erers

given by (2).

A.1. Tuning the center frequency of the BSF

As given in Table 1, the main design parameter to
tune the center frequency of the BSF according to (1) is
the total length of the U-shaped CPWR, L. Figure 5
shows the change of the frequency response of the
transmission coefficient |S,,| of the BSF around the 15t
resonance frequency with changing the resonator length,
L while keeping the coupling length Ly constant. It clear
that the resonance frequency decreases with increasing
the resonator length Ly which agrees with the analytical
formula given by (1). This is clear in Fig. 6 (a) which
shows that the resonance frequency is inversely
proportional to L. However, as shown in Fig. 6 (b), the
Q-factor is almost independent of the resonator length Ly
as long as the coupling length Ly is constant. The effect
of the dielectric losses is also shown in Fig. 6 (b), where
the increase in the dielectric losses degrades the Q-factor.

0

FoFE==-=y T — L s F ==
\ "y \ \
! Y H W
: | W
5 | ! 1
| |
—~ !
% 10 | ; | LR (mm)
= | | —a7
S | [| --38
15 |- |
e f || -39
I [| 40
20 - } } --41
i || ——42
|
25 : i
3 3.05 3.1 3.15

Frequency (GHz)

Fig. 5. Change of the frequency response of the
transmission coefficient |S,, | of the BSF around the 15t
resonance frequency with changing the CPWR length,
LR.

A.2. Adjusting the Q-factor of the BSF

As previously discussed, the Q-factor of the BSF is
dominated by the external Q-factor which is attributed
mainly to the broadside coupling between the CPWR
and the CPWTL. The coupling strength is strongly
dependent on the length of the CPW regions over which
the coupling is performed. Consequently, the length of
the base of the U-shape, Lg, is an important design
parameter that controls the Q-factor at each resonance
frequency. Figure 7 shows the change of the frequency
response of the transmission coefficient |S,, | of the BSF
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around the 15t resonance frequency with changing the
coupling length, Lg, between the CPWR and CPWTL
while keeping the total length of the CPWR constant.
Figure 8 (a) plots the center frequency with changing
Lg. It is clear from Fig. 7 and Fig. 8 (a) that the center
frequency is almost constant as long as the resonator
length Ly is kept constant. The slight change in the
resonance frequency is due to the change of the reactive
load impedance as a result of the broadside coupling. The
Q-factor is considerably decreased with increasing the
coupling length as shown in Fig. 8 (b). As the coupling
length increases the reactive load caused by the
broadside coupling increases leading to a decrease of the
external Q-factor which, in turn, results in considerable
decrease of the total Q-factor. The effect of the dielectric
losses is investigated in the same figure, it is clear that
the increase in tan § decreases the Q-factor.

3.14

V4
w
N

3.1+
3.08 |
3.06 ¢

3.04 ¢

enter Frequency (GHz)

& 3.02}

3 1 1 1 1
40 41 42 43 44 45
Resonator Length, LR (mm)

(a) Dependence of the center frequency on the CPWR
length (tan & = 0)
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é ___________________________
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e —0
--—-5x10
500 F ... 1X10-4
- - 2x10™
0 2x1073 ‘ . ‘
40 41 42 43 44 45
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(b) Dependence of the Q-factor on the CPWR length
for different values of tan §

Fig. 6. Dependence of the center frequency and the
Q-factor of the BSF on the resonator length at the 15t
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resonance frequency of the U-shaped CPWR.

The difference between the two arms of the
resonator also affects the Q-factor. In Fig. 9 the
frequency response of the transmission coefficient |S,, |
around the first resonance is studied with changing the
difference in the length of the two arms, d = |L, — L,],
while keeping the total length of the resonator, Ly
constant. The change in the Q-factor with changing the
difference d is shown in Fig. 10 at the first and second
resonances. It is shown that the best Q-factor is achieved
at the second resonance when the difference d is about
7.5 mm.

IS, (@B)

25 i i i i
3.068 3.07 3.072 3.074 3.076

Frequency (GHz)

Fig. 7. Change of the frequency response of the
transmission coefficient |S,, | of the BSF around the 15t
resonance frequency with changing the coupling length,
Lg, while keeping the CPWR length, Ly constant.

A.3. Effect of substrate height on the Q-factor

The strength of broadside coupling is strongly
dependent on the separation distance between the two
coupled lines. Consequently, the height of the dielectric
substrate, h, is an important design parameter that
controls the Q-factor at each resonance frequency.
Figure 11 shows the change of the frequency response
of the transmission coefficient |S,,| of the BSF around
the 15t resonance frequency with changing the substrate
height. It is clear that the resonance frequency slightly
increases with increasing h due to the change of the
reactive load impedance equivalent to the broadside
coupling. Figure 12 (a) shows that the center frequency
is slightly dependent on h. The Q-factor is considerably
decreased with increasing the coupling length as shown
in Fig. 12 (b). As the substrate height increases the
reactive load caused by the broadside coupling increases
leading to a decrease of the external Q-factor which,
in turn, results in considerable decrease of the total Q-
factor. By increasing the dielectric losses, tand, the
Q-factor decreases as shown in Fig. 12 (b).
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frequency of the U-shaped CPWR.
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Fig. 9. Change of the frequency response of the
transmission coefficient |S,,| of the BSF around the 15t
resonance frequency with changing the difference, d,

between the U-resonator arm lengths.
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Fig. 10. Dependence of the Q-factor of the BSF at the 15t
resonance frequency on the difference, d, between the

lengths of the U-shaped CPWR arms.
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Fig. 11. Change of the frequency response of the
transmission coefficient |S,, | of the BSF around the 15t
resonance frequency with changing the substrate height,
h.

B. Experimental assessment of the BSF

The purpose of the experimental work is to study the
underlying physical principles of operation and to
investigate the performance of the proposed high Q-
factor BSF based on broadside coupling between U-
shaped CPWR and CPWTL.

B.1. Prototype fabrication

A prototype of the proposed BSF is fabricated
for experimental studying of the underlying physical
principles of operation and investigating the filter
performance. The dimensional parameters of the
fabricated filter are those presented in Fig. 2. The substrate
used for fabrication is RO3003C™, with substrate height
h = 0.25 mm, dielectric constant e, = 3 and dielectric
loss tangent, tan § = 0.001. The same design dimensions
given at the beginning of Section IV are used for the
fabrication process. A photograph of the fabricated
prototypes is presented in Fig. 13, where its size is
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compared to a metal coin of the standard one-inch
diameter.
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Fig. 12. Dependence of the Q-factor and center
frequency of the BSF on the substrate height at the 15t
resonance frequency of the U-shaped CPWR.

Fig. 13. The fabricated prototype of the proposed high
Q-factor BSF.
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B.2. Experimental setup

The vector network analyzer (VNA) of the Keysight
(Agilent) FieldFox N9928A™ is used to measure the
transmission and reflection coefficients |S,,| and |S;,],
respectively, of the BSF prototype under test. For this
purpose, the filter prototype is mounted on the substrate
test fixture as shown in Fig. 14 (a). After performing the
required settings and calibration procedure, the test
fixture holding the prototype under test is connected to
the VNA as shown in Fig. 14 (b).

(b) Measurement of the transmission coefficient |S,, |
using the VNA

Fig. 14. Measurement of the frequency response of the
fabricated prototype for experimental investigation of
the proposed BSF.



B.3. Experimental results

The frequency responses of the transmission and
reflection coefficients |S,;| and |S;;|, of this filter
over the frequency bands around the 15t resonance is
presented in Fig. 15. The measurements are achieved by
the VNA and compared to that obtained by simulation
using the commercially available CST™ software
package. It is clear that the experimental measurements
and simulation results show good agreement.

The experimental measurements of the frequency
response at the lower band of the BSF show that the

15t resonance occurs at fl(SEXp) = 3.18 GHz, whereas and
the simulation results show that this resonance occurs at

fl(;iim) = 3.176 GHz. The corresponding Q-factors are

QiSEtXp) =155 and Qisstlm) = 168. The external Q-factor,
which is dominated by the coupling Q-factor as
discussed before, can be obtained by a semi-analytic
approach as described in Section IlIC. The unloaded
Q-factor can be calculated in terms of the dielectric
substrate loss tangent using (11) to get Q, = 457.
The external Q-factor, which is dominantly attributed
to broadside coupling, can be obtained by (6) and (12)

to get Qi’gf) = 184 using the measurement data, and

QLY =203 using the simulation data, where the
subscript “15%” indicates the 15 resonance. Such a high
value of the external Q-factor can be attributed to the
strong broadside coupling between the CPWR and the
CPWTL.

0
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S-Parameters (dB

295 3 3.05 31 315
Frequency (GHz)

Fig. 15. Frequency responses of the transmission and
reflection coefficients |S,,| and |S;;|, respectively, of
the BSF at the 15t resonance of the half-wave U-shaped
CPWR which is broadside-coupled to the CPWTL.

Comparisons among the Q-factors of some BSFs
achieved experimentally in other published work
compared with that achieved in the present work are
listed in Table 2. The higher value of the Q-factor
achieved in the present work is due to the strong
broadside coupling and the optimized dimensions of the
U-shaped CPWR mainly the coupling length L, which is

FARAHAT, HUSSEIN: DUAL-BAND BSF WITH ENHANCED QUALITY FACTOR

the length of the U-shape base.

It should be noted that, the proposed band stop filter
design depends on broad side coupling as the feeder is
printed on one side of the substrate whereas the resonator
is printed on the facing side. This enables much stronger
coupling between the feeding and resonator coplanar
wave guide regions than that caused by the mechanism
used in the other designs such as those presented in Table
2. Moreover, the coupling length (the base of the U-
shape) can easily control the coupling strength and
hence, the resulting value of the Q-factor.

Table 2: Comparison between Q-factors of BSFs achieved

experimentally in other published work compared with

that achieved in the present work.

Published |Huang|Woo| Liu | Lee | Kakhki| Fahmy |Present
Work | etal. |etal.|etal.|etal.| etal. | etal. | Work

[21] |[20] [2] |[18]| [19] | [23]

Q-Factor | 31.7 [36.1| 45 [49.7| 57 131 155

V. CONCLUSION

The design of high Q-factor BSF based on
broadside-coupling between U-shaped CPWR of unequal
arms and CPWTL is presented. The CPWTL is printed
on one layer of relatively thin dielectric substrate
whereas the CPWR is printed on the opposite layer. The
proposed BSF is shown to have much higher Q-factor
when compared with other published work. Such high Q-
factor is attributed to the unequal arms of the U-shaped
CPWR and the finite width of the side ground strips. Due
to the lower profile of the CPW with finite-width, the
radiation loss is reduced leading to enhanced Q-factor.
The dimensions of the CPWTL are optimized for
impedance matching whereas the dimensions of the
U-shaped CPWR are optimized to obtain the highest
possible Q-factor. The numerical results concerned with
the effect of the loss tangent of the dielectric substrate
material on the Q-factor are presented and discussed.
A prototype of the proposed BSF is fabricated and
experimentally studied where the measurements show
good agreement when compared with the corresponding
simulation results.
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Abstract — The quantitative evaluation of defects in
eddy current testing is of great significance. Impedance
analysis, as a traditional method, is adopted to determine
defects in the conductor, however, it is not able to depict
the shape, size and location of defects quantitatively. In
order to obtain more obvious characteristic quantities
and improve the ability of eddy current testing to detect
defects, the study of cracks in metal pipes is carried out
by utilizing the analysis method of three-dimensional
magnetic field in present paper. The magnetic field
components in the space near the crack are calculated
numerically by using finite element analysis. The
simulation results confirm that the monitoring of the
crack change can be achieved by measuring the magnetic
field at the arrangement positions. Besides, the
quantitative relationships between the shape, length of
the crack and the magnetic field components around the
metal pipe are obtained. The results show that the axial
and radial magnetic induction intensities are affected
more significantly by the cross-section area of the
crack. B, demonstrates obvious advantages in analyzing
quantitatively crack circumference length. Therefore, the
response signal in the three-dimensional direction of the
magnetic field gets to intuitively reflect the change of the
defect parameter, which proves the effectiveness and
practicability of this method.

Index Terms — Cracks evaluation, Eddy current testing,
finite element method, magnetic field, pipe.

I. INTRODUCTION
Electromagnetic nondestructive testing is a kind of
testing method to evaluate the structure and related
properties of tested materials by utilizing the changes of
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electromagnetic characteristics under the action of the
electromagnetic field [1-3]. It mainly includes eddy
current testing (ECT), magnetic particle testing (MT)
and magnetic flux leakage (MFL) testing. With the
development of technology, a great many new
electromagnetic nondestructive testing methods have
appeared, such as alternating current field measurement
(ACFM) and metal magnetic memory (MMM) testing.
ECT, MFL and ACFM are commonly used to detect
defects, although they differ in their principles of
measurement.

Among the three methods mentioned above, what
has been used in ECT as the physical quantity is coil
impedance [4-6], while the physical quantity measured
by MFL and ACFM is magnetic field which is a three-
dimensional physical quantity that adequately
characterizes geometric parameters such as length, as
well as width of a defect. Therefore, the latter two
methods gain significant advantages over ECT from the
perspective of defect information contained in physical
guantities. On the other hand, what also have been
compared are excitation modes of three electromagnetic
nondestructive testing. The excitation source is used in
the local magnetization of the workpiece by MFL [7-9].
And DC magnetization has a high requirement for the
current source. The excitation current is generally shown
from several amperes to hundreds of amperes, and the
electrical equipment is relatively complicated.
Moreover, the direction of defects has exerted a great
influence on the magnetic leakage field. Similarly, the
excitation coil of ACFM needs to induce parallel and
approximately uniform currents on the specimen surface,
so as to generate approximately uniform alternating
electromagnetic field [10-12]. Undoubtedly, the uniform

https://doi.org/10.47037/2020.ACES.J.360114
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eddy current requires higher requirements on the
structure of excitation devices. In addition, when the
current direction is parallel to that of the crack, the
sensitivity of the detection explores the lowest level and
the missed detection may occur. However, the induced
eddy current generated by the excitation coil of ECT is
in the circumferential direction. Defects in any direction
will cause a change in the eddy current, thereby
generating a disturbing eddy current field. Moreover, the
excitation method used in ECT is simple, convenient and
easy under operation. Therefore, compared with the
other two methods, the traditional ECT exhibits certain
strengths according to the analysis of the excitation
modes.

Considering the advantages and disadvantages
of the above testing methods, the configurations of
traditional ECT are retained, and the magnetic field
analysis of MFL and ACFM is adopted in the present
paper, so as to implement the quantitative study of the
shape and circumference length of cracks in metal
pipelines.

I1. MATHEMATICAL MODEL OF THREE-
DIMENSIONAL EDDY CURRENT FIELD

A typical solution domain V of the eddy current
problem is assumed, where V; is the eddy current zone
containing the conductive medium without the source
current and ¥, is the non-eddy current zone including the
given source current. S is the internal interface of 7; and
V>. The outer boundary S of solution domain V is divided
into Sg and Su. The normal component of the magnetic
induction intensity is given on Sg, and Sy provides the
tangential component of the magnetic induction intensity.

Maxwell's equations describe the macroscopic
properties of the electromagnetic field, which is not
always convenient to be solved directly. 4, -4 method
will be used to establish the mathematical model of eddy
current analysis. In the eddy current area, magnetic vector
potential 4 and scalar potential @ are used as unknown
functions, and in the non-eddy current area, only A is
used as unknown functions. Substituting B =V x A and

A
E= —% —V¢ into Maxwell's equations, and specifying

V-A=0, the governing equations and boundary
conditions of eddy current field in region V are illustrated
as follows:

VX(VVXA)—V(VV'A)+O'%+GV¢=O (a)

V-(—a%—a‘?¢j=0 (b)

in the 11, (1)

Vx(vVxA)-V(vV-A)=], inthe ), ?2)

S
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nxA=0 (a)
vV-A=0 (b)} onthe Ss, (3)
n-A=0 @)
(vVxA)xn=0 (b)} onthe S, (4)
A=A @)
vV-A =vV-A (b)
vVx A xn, =v,VxA xn, ()¢ ontheSpn, (5)
oA
”’(‘UE—GW}O (d)

where o is the electric conductivity, v is the
magnetoresistance, J is the source current density, » is
the unit normal vector of S, 712 is the unit normal vector of
S12, and the direction is from V7 to V5.

However, the analytical method or the field-to-circuit
method is unable to deal with a large number of
engineering problems involving complex geometric and
physical parameters [13-15]. Thanks to the rapid
development of computer technology, it has promoted
the progress of numerical analysis methods. Most
importantly, the finite element method is the most widely
used numerical method at present. Compared with other
numerical methods, the finite element method shows
prominent characteristics [16-18]. The finite element
mesh can easily simulate the boundary and interface of
different shapes. The discrete equations attained by the
finite element method display sparse symmetric
coefficient matrix, which simplifies the solution to the
equations, and reduces the computer storage and
computing time correspondingly.

Next, COMSOL Multiphysics, as the finite element
analysis software is utilized to model the metal pipe and
defects. Based on the three-dimensional magnetic field
analysis, the solution in the specified field is obtained by
the finite element method.

I11. QUANTITATIVE STUDY OF CRACKS
IN PIPES

A. Section shape of cracks

Figure 1 presents the three-dimensional model with a
circumferential crack on the inner surface of the metal
pipe. The cross-section shapes of the cracks are rectangle,
semicircle and triangle, and their openings are kept at 4
mm and their depths are 2 mm. Only the influence of
section shapes is considered here, so the three kinds of
cracks are all-circle ones in the plane perpendicular to the
axis. In addition, the excitation coil is a cylindrical coil
coaxial with the metal pipe. The geometric parameters
of the coil are listed as follows: inner radius 7,; = 8 mm,
outer radius 7 = 12 mm and height # = 6 mm. Based on
such considerations, the three-dimensional model can be
simplified into a two-dimensional axisymmetric one. In
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this way, the finite element model gets to be simplified,
and a more refined mesh is thus able to be used to improve
the computational efficiency. The parameters of the finite
element model are set as follows. It is assumed that the
surrounding air medium is a cylinder with a radius of 20
mm and a height of 60 mm. Constraint conditions should
be applied to the outer boundary and symmetry axis of the
model. The central axis of the metal pipe should be set as
the axisymmetric condition. The magnetic vector potential
of the upper and lower ends of the metal pipe should be
zero, and the magnetic insulation condition is applied to
the outermost boundary of the air domain. The ultra-fine
mesh processing is used, and the mesh is divided using
triangular elements. The MUMPS direct solver is used and
the relative tolerance is set to 0.001.

Pipe

Fig. 1. The three-dimensional schematic diagram of the
model.

The radial measurement points are 12.5 mm and 13.5
mm, respectively, and the measurement range in the z
direction is from -20 mm to 20 mm. Figure 2 displays the
distribution curves of radial and axial magnetic induction
intensity under three kinds of cracks with different cross-
section shapes. The curves indicated by the circle are
the radial and axial magnetic induction intensity at the
position of » = 13.5 mm without crack. The magnetic
induction intensity varies with the axial distance as shown
in Fig. 2, where the location of the excitation coil does not
change. During the detection process, the magnetic sensor
scans along the axial direction to obtain the magnitude of
the magnetic induction intensity at each position.

0.001}

0.0005¢

-0.0005+

-0.001¢

semicircle | |

-0.0015" — triangle

induction intensity, B (T)

~® no crack

The amplitude of magnetic

-0.002kL . O :
-20 -10 0 10
Axial distance, z (mm)

Fig. 2. The distribution curves of radial and axial magnetic
induction intensity for cracks with different shapes.

The following four conclusions can be drawn from

Fig. 2:

(1) The By curves show odd symmetrical distributions,
reaching the maximum value at a certain distance in
the axial direction. The B, curves are distributed even
symmetrically, with the maximum value at z = 0. As
the axial distance increases, the value decreases
gradually.

(2) Although the shapes of crack show no influence to
the overall distribution of the magnetic induction
intensity, it has a certain influence on the values of
radial and axial magnetic induction intensity. As can
be seen from Fig. 2, regardless of r = 12.5 mm and
13.5 mm, the changes of radial and axial magnetic
induction intensities caused by rectangular crack are
the most prominent, followed by the semi-circular
section. What's more, the triangular section shows the
least obvious influence. So, the following conclusion
gets to be drawn: the larger the crack section area
is, the more obvious the influence on the external
magnetic field becomes. It is also helpful for us to
judge and analyze the specific shape of crack by
means of the change of the external magnetic field.

(3) The above conclusion is further confirmed by the
distribution of electromagnetic fields. Figure 3 shows
the induced current density inside the pipe and the
distribution of contour lines of B, and B, near the
crack. With the increase of the crack section area, the
degree of the influence of the crack on the contour
line B; becomes more obvious. As shown in the black
circled part of Fig. 3, it can be clearly seen that the
curve near the crack is attracted to the side of the
pipe. At this time, the value of the magnetic induction
intensity in the vicinity increases. Similarly, as the
section area of the crack increases, the degree of the
influence of the crack on the contour line B, becomes
more obvious. As shown in the black rectangle
marked in Fig. 3, it can be seen that the contour near
the crack appears to be free from the restraint of the
metal pipe and gradually moves toward the side of
the excitation coil. At this time, the magnetic induction
intensity near the crack decreases. Therefore, the
radial and axial magnetic inductions show the changes
shown in Fig. 2. Meanwhile, the electromagnetic
field distribution further proves that the radial and
axial magnetic induction intensities have opposite
changes due to the crack shape.

(4) The following conclusion can be drawn from the
results obtained from different radial measurements.
On the one hand, the closer to the inner surface of
the metal pipe is, the smaller the radial and axial
magnetic induction intensities become, which is
related to the fact that the external magnetic field is
dominated by the source field generated by the coil.
On the other hand, the closer to the inner surface
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of the metal pipe is, the more obvious the change of
magnetic field caused by crack shape can be
detected. This characteristic is related to the eddy
current field. Cracks with different cross-sections
are supposed to cause different eddy currents to be
induced on the surface of the metal pipe. And this
eddy current will simultaneously induce different
electromagnetic fields on the surface of the metal

pipe.

surface: induced current density
contour line: magnetic induction intensity

surface: induced current density
contour line: magnetic induction intensity
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Fig. 3. Distribution of induced current density and
magnetic induction intensity contours for cracks with
different shapes.

Figure 4 shows the variations in the peak of radial
and axial magnetic induction intensity with the cross-
sectional area of the crack. As can be seen from Fig. 4,
the peak of radial magnetic induction intensity increases
with the crack-sectional area and shows a linear
relationship. As the cross-sectional area increases from
5 mm? to 8 mm?, the peak value of radial magnetic
induction intensity increases by 6.764x105 T. Similarly,
the peak of axial magnetic induction intensity decreases
with the cross-sectional area of the crack, and shows a
linear relationship. As the cross-sectional area increases
from 5 mm?to 8 mm?, the peak value of axial magnetic
induction intensity decreases by 8.711x10° T. The
results show that the relationship between the magnetic
induction intensity and the cross-sectional area of the
crack is linear, which is beneficial to the quantitative
identification of the crack shape. In addition, both radial
and axial magnetic induction intensity near the pipe can
be used for the quantitative analysis of the crack shape,
and axial magnetic induction intensity changes more
significantly. Through the monitoring and comparison of
the magnetic field in two directions, the measurement
results can be further confirmed to avoid the influence of
external interference. Moreover, effective signals in both
directions provide more options for actual detection.
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Fig. 4. The relationship between the peak of the magnetic
induction intensity and cross-sectional area of the crack.

As the crack shape changes from a rectangle to
semicircle and then to triangle, the peak values of
axial magnetic induction increase by 2.979x10° T and
5.732x10° T, respectively. The change of response is
measurable in practice as a result of advances in sensors
and signal processing technology. Magnetic sensors
based on TMR effects have the virtue of high accuracy,
wide linear ranges and strong anti-interference capability,
which have been widely used in electromagnetic
nondestructive testing. The commercially available
TMR2905 sensor, for example, has a sensitivity of 60
mV/V/Oe, noise <5nT/rtHz (@1Hz), and a resolution of
0.01pT. The magnetic sensor is able to completely meet
the measurement requirements according to the changes
of radial or axial magnetic induction intensities caused
by crack shapes. Another noticeable external disturbance
is the space geomagnetic field. The magnetic induction
intensity of the earth's surface is about 0.5 X 10 T.
Compared with the changes of the magnetic field caused
by crack shapes, this value is still relatively obvious.
Thus, some technical means must be adopted to suppress
its effect. For instance, the frequency of excitation
current is 1 kHz, so phase-locked amplifier can be used
in the actual detection to remove the signal of non-
selected frequency (i.e., noise) and retain the information
of selected frequency.

B. Circumferential length of cracks

Six model components with different crack lengths
are established in COMSOL Multiphysics. Different
from the construction of rectangular or semicircle crack
model, the research on the circumference length of crack
requires the establishment of three-dimensional model.
Compared with the two-dimensional model, the three-
dimensional model takes a longer time to calculate.
Therefore, the mesh type is adjusted to a free tetrahedral
mesh during mesh generation, and its size is defined as
refinement. However, it is found that the refined results
are obviously not ideal, and the curve generated by post-
processing is not smooth, which affects the quantitative
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analysis of crack length to some extent. In order to save
unnecessary calculation time, the method adopted in this
paper is to further refine the key research areas, such as
the area near the crack, and select the longest edge to
split and the number of refinements to 2. By means of
this technique, satisfactory calculation results can be
obtained and the calculation time is acceptable. The
basic parameters of the metal pipe and coil are exactly
the same and the height and depth of the crack section
are 2 mm, i.e., the crack section is square. The only
difference exists in the circumferential length of the crack.
The different lengths in the circumferential direction are
represented by the central angles corresponding to the
circular arcs, which are 0°, 60°, 120°, 180°, 270° and
360°, respectively, as shown in Fig. 5. Magnetic field
measurement positions P1-P4 are selected at 0°, 90°,
180° and 270°, respectively, with radial distance r =
13.5mm. The measurement range of z direction is
-20~20mm.

Pipe

Fig. 5. Model schematic diagram and different length
cracks in circumferential direction.

Figure 6 shows the distribution of magnetic induction
intensities By, By and B, measured at P1-P4 for the metal
pipe without crack.
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Fig. 6. The magnetic induction intensity at P1-P4 in the
absence of cracks.

As shown in Fig. 6, Bx is oddly symmetric with
respect to z = 0 at P1. When z > 0, By is a positive value,
and when z < 0, Bx becomes negative, while By is always

zero. Besides, B; is always negative and even symmetric
with respect to z = 0. In order to demonstrate the
magnetic induction intensity in the area near P1 more
clearly, the three-dimensional magnetic field distributions
shown in Fig. 7 are established. As shown in Figs. 7 (a)-
(c), the distribution of By, By and B; at P1 is completely
consistent with the previous two-dimensional figure.

(a) Surface: magnetic induction intensity Bx (d) Surface: magnetic induction intensity Bx
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Fig. 7. Three-dimensional distribution of magnetic
induction intensity near P1 and P4.

Similarly, the distribution of magnetic fields in three
directions at the positions P2-P4 can be obtained from
Fig. 6. In order to better understand the distribution of
magnetic fields and the relationship, the schematic
diagram shown in Table 1 is established.

Table 1: Distributions of magnetic induction intensity at
P1-P4

P1 P2 P3 P4
Odd Odd
Bx | symmetry 0 symmetry 0
(*) ()
Odd Odd
By 0 symmetry 0 symmetry
(*) ()
B, Even Even Even Even
symmetry | symmetry | symmetry | symmetry

In the table, "+" indicates that the value of the
magnetic induction intensity is the same as the symbol
of the position value, while "-" suggests that the value
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of the magnetic induction intensity is opposite to the
symbol of the position value. In addition, the distribution
of the magnetic induction intensity near P4 can be
understood according to the three-dimensional figures
shown in Figs. 7 (d)-(f).

Based on the above analysis, the influence of
circumference length of crack on By is further analyzed.
As shown in Fig. 8 (a), when there is no crack, that is,
the corresponding angle of the crack is 0°, By at P1 and
P3 would be symmetrically distributed. By at P2 and P4
are almost zero. As shown in Fig. 8 (b), when a crack with
a central angle of 60° appears, the magnetic induction
intensity at P1 is expected to increase to some extent,
while the By of the other three positions are basically
unchanged. Under such circumstance, the By at P1 and
P3 is no longer symmetric. As can be seen from Fig. 8
(c), when the corresponding central angle of the crack
increases from 60° to 120°, the magnetic induction
intensity at P1 increases slightly, while the magnetic
induction intensity at P3 changes a bit. Apart from those,
as shown in Fig. 8 (d), when the corresponding central
angle of the crack goes up from 120° to 180°, the

magnetic induction intensity at P3 increases significantly.

Meanwhile, the Bx at P1 and P3 are distributed
symmetrically again. However, compared with the
symmetry shown in Fig. 8 (a), both of them increase
in amplitude. As depicted in Fig. 8 (e), when the
corresponding central angle of the crack increases from
180° to 270°, double peaks appear at P4, in addition to
a certain increase at P3. What's more, as shown in Fig.
8 (f), when the corresponding central angle of the
crack increases from 270° to 360°, double peaks of the
magnetic induction intensity observed in Fig. 8 (e)
disappear because the model becomes an axisymmetric
structure again. By at P1 also increases. At this time,
the distributions of the magnetic induction intensity at
four positions are similar to those without cracks. The
difference is that the values of By at P1 and P3 increase
significantly.

In the light of the previous analysis of changes of By,
the schematic diagram shown in Table 2 is established,
in which "1" indicates a significant increase in the
magnetic induction intensity, and " /" refers to a certain
increase in the magnetic induction intensity, and the
symbol "—" suggests few changes appear in the magnetic
induction intensity.
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Fig. 8. By distribution for different circumferential
lengths of cracks.

Table 2: The variation of Bx with the circumference
length of crack at P1-P4

P1 P2 P3 P4
0° Symmetry 0 Symmetry 0
with P3 (+) with P1 (+)
60° 1 _ — —
120° _ —
o | Symmetry B
180 : — Symmetr _
with P3 (+) W?;h iy (4)_/)
270° _ . Double peak
f appears
f> Symmetry | Double peak
360° | Symmetry | — Yy y ouble p
with P3 (+) with P1 (+) | disappears

Therefore, the circumference length of crack mainly
has a certain influence on By at P1 and P3, and exerts
little effect on By at P2 and P4. By comparing the
symmetry of By at P1 and P3, the length of the crack in
the circumferential direction, thus, gets to be deduced.

Then, the effect of the circumference length on By is
studied, as shown in Fig. 9. By monitoring the By at the
P1, it can be found that only in the absence of crack and
full-circumferential cracks, does no double peaks occur,
and any other circumferential cracks would result in
double peak in By. Moreover, the amplitude of the peak
is not significantly affected by the circumference length
of the crack. By monitoring By at P3, only when half-
circumferential cracks are present and the phenomenon
of double peaks appears, will no other circumferential
cracks of any length lead to the double peaks in By. There
is a slight change in By at P2 and P4, which, however, is
not obvious. Therefore, several other special cracks, such
as half-circumferential and whole-circumferential ones,
get to be qualitatively assessed by the detection of By at
P1 and P3.
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Table 3: The variation of B, with the circumference
length of crack at P1-P4
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Fig. 9. By distribution for different circumferential lengths
of cracks.

Finally, what is analyzed hereby is the influence of
circumference length on B, as shown in Fig. 10. Based
on the changes of B; in Fig. 10, the schematic diagram
presented in Table 3 is established. In the table, "|"
indicates a significant decrease in the peak of the
magnetic induction intensity, and """ reveals a certain
decrease in the peak of the magnetic induction intensity.
Moreover, "—" shows that the peak of the magnetic
induction intensity proves no change. As can be seen
from the table, peaks of B, at P1-P4 decrease sequentially
with the ascendance of the circumference length of the
crack. Therefore, circumference length of crack can also
be quantitatively evaluated by analyzing the change of B,.
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Fig. 10. B, distribution for different circumferential
lengths of cracks.

Figure 11 shows the relationship between the abrupt
positions of the z-direction component of the magnetic
induction intensity and the different crack lengths. Crack
length is represented by the corresponding central angle,
and eight types of circumferential cracks with different
central angles of 0°, 60°, 120°, 180°, 240°, 270°, 300°
and 360° are used. The abrupt position of the z-direction
component of the magnetic induction intensity is
represented by the arc length corresponding to the
measured radius of 13.5 mm. As shown in Fig. 11,
there is an obvious linear relationship between the
circumference length of the crack and the abrupt location
of the magnetic induction intensity. In the test, the
magnetic sensor is scanned along the circumference of
r = 13.5 mm. By monitoring the change of the magnetic
field, the information about crack location and crack
length can be obtained in time. In addition, the magnetic
field is approximately reduced from 1.8x10° T to
1.6x10°2 T for the circumferential cracks studied in this
paper, and the abrupt change of about 0.2x10% T is
relatively large, so the detection effect is quite obvious.
Thus, it can not only quantitatively analyze the shape
of the crack section, but also quantitatively understand
the circumference length of the crack by using the
characteristics of the magnetic field.
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Fig. 11. The relationship between the abrupt position of
B, and the central angle of the crack.

In conclusion, the three directions of the magnetic
induction intensity demonstrate their own characteristics
in evaluating the circumference length of crack. The
By is adopted to evaluate several special cracks, but it is
not suitable for the quantitative study of crack lengths.
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Furthermore, B, suggests obvious advantages in the
quantitative analysis of cracks. Meanwhile, By, to some
extent, can also meet the demand of the quantitative
analysis of circumference lengths in cracks and judge
several special lengths.

1V. CONCLUSION

In present paper, the relationship between the crack
in metal pipe and the magnetic field in the surrounding
space is studied in detail by means of finite element
simulation. It can be observed from these analyses that
the eddy current field can reflect details such as crack
shapes and circumference lengths. These results show
that the eddy current testing based on the analysis of the
three-dimensional magnetic field proposed in this paper
is feasible, which is superior to MFL testing and other
electromagnetic methods in many aspects. This method
has expended the application range of eddy current non-
destructive testing and provided guidance for the
quantitative evaluation of pipeline cracks.
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Abstract — The planar motor with moving-magnet is
purely levitated by the stator coils. The forces produced
by coils are calculated with the analytical model of
magnet array and coil surface model for applying to the
real time control. Take the coil and the Halbach magnet
array which is at 45 degree with the long side of coil for
analysis. The force component produced by short sides
can be eliminated for conveniently controlling when
the length of coil takes certain dimension. In practice,
the force component produced by short sides is small
but not zero. There are two reasons, one is the higher
harmonics and the other is the corner segments of coil.
The force integral expressions of coil corner segments
are given by the Lorenz force law. Then the forces
numerically calculated with harmonic model and coil
full model are verified by comparing with the magnetic
surface charge model and finite element model. In order
to reduce the force component produced by short sides,
the different corners of coil are analyzed. Comparing the
forces of different corners of coil, the force component
produced by short sides can be significantly reduced
with slightly change of the other force components.

Index Terms — Corner segments, force reduction,
Halbach array, planar motor.

I. INTRODUCTION

The magnetically levitated planar motor with
moving magnets is attracting more and more attention
with the advantages of high speed, high acceleration
and high precision in the industry. The moving magnet
array is purely levitated by the suspension force exerted
by coils, and realizes the horizontal motion [1-13].
There are no transmission equipment, so the planar
motor is without the mechanical friction, lubricating
oil contamination, cable interference and so on. The
structure of the planar motor is simplified, and of which
the weight is reduced. The 2D Halbach permanent
magnet array is applied in the planar motor, which can
obtain high magnetic field on one side with fine
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sinusoidal waveform [6].

Compter [7] proposed the magnetically levitated
planar motor with moving coils, and the magnet array
is rotated -45° relative to the coils. The planar motor
replaces the conventional structure with two linear
motors to realize the horizontal motion. Jansen [8]
applied the arrangement of coil and the magnet array to
the planar motor of moving magnets, which is the
inverse of planar motor of moving coils. The harmonic
model of magnetic flux density for the Halbach magnet
array is derived by Fourier series and scalar potential.
The forces and torques generated by coils are calculated
by using analytical model which is obtained by taking
the first harmonic and coil surface model in order to
be used in the real time control. Jansen [9] optimized
the planar motor with moving magnets. The minimum
power dissipation at the suspension status is selected
to be the optimized objective function. The optimal
dimensions of coil and magnet array are obtained. Peng
[10] took the coil corner segments into account for
calculating the force and torque of coil. The expressions
of force and torque are derived by using the composite
integration and the Newton-Leibniz formula with the
analytical model of magnet array. But the higher
harmonics is ignored.

As the Halbach magnet array is at 45 degree with
the long side of one coil, the force component produced
by short sides of coil can be eliminated when the length
of coil takes certain dimension according to the force
expression used in the real time control. In fact, the
force is not zero due to the higher harmonics and corner
segments of coil. In this paper, the integral force
expression for the corner segments of coil is derived by
the Lorenz force law. The forces calculated by using
harmonic model and coil full model are verified to be
accurate. The different winding moulds are proposed
and the different coil structures are obtained. The forces
of different coils are predicted by using the model
verified before. Comparing the forces of different coils,
the component produced by short sides can be

https://doi.org/10.47037/2020.ACES.J.360115
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significantly reduced with slightly change of the other
force components.

tey
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Fig. 1. The sketch of one coil and the Halbach magnet
array in planar motor: (a) front view and (b) top view.

Il. THE PLANAR MOTOR

The sketch of one coil and the Halbach magnet array
in planar motor with moving magnets is shown in Fig. 1.
In Fig. 1, the arrows mean the magnetization direction
of magnets from s-pole to n-pole. N shows the
magnetization direction outward the paper which is
consistent with the positive direction of ™z axis, and S
is in the opposite direction. The global and local
coordinates are located at the center of the coils and the
Halbach magnet array, which are denoted with the
superscript ¢ and ™, respectively.

The magnetic flux density of the Halbach magnet
array shown in Fig. 1 is spatial distribution. The
magnetic flux density is derived by using Fourier series
and scalar potential and expressed in the local coordinate
system. The derivation procedure is shown in reference
[11]. The expression is:

mB3(mX)=_ﬂo'
kz _ kz"x . lz"™y |
—CO0S SIn——
T T T
s m | Iz . kz"x Az™y |’ @
DY KetF| =sin cos =Y
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where g =1, and

a=2Jk 417, @)
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a(k):Gcos f; sin?, )
4 w7 o K7
b(k)=Gsm2—Tsm > 4
b(k)b(l k?+12
(e—m‘x_e—mbl) ( ) ()ﬂ-( + )
K =B ) +a(k)b(l)kiz » (5)
( ol ra(1)b(k)laz

k and | are the harmonic numbers for the °x- and °y-
direction, respectively, m; and my are the height of
magnet array, = is the side length of the magnets
magnetized in the °z-direction, 7 is the pole pitch, By is
the residual magnetization of the permanent magnet, u is
the relative permeability of the permanent magnets, uo is
the permeability of vacuum.

Because the high quality sintered NdFeB permanent
magnets (1~1.03-1.05) is used in the planar motor. The
relative permeability of the permanent magnets is
considered equal to air, the error due to this assumption
can be neglected.

The coil shown in Fig. 1 can be split into eight
segments, including four straight segments and four
corner segments. The Lorenz force law is applied to the
calculation of force produced by coil [12]. The force
expression is:

Cﬁ:_J' jx°B,dV

Veoil

. (6)
:_[ j jx°B,dV + j ]x°I§3d°\/J
Vstraight Vcorner

The force Fy produced by short sides of coil shown

in Fig. 1 is analyzed. In order to satisfied the real time

control, the coil surface model and analytical model of

Halbach magnet array are used [5]. The force Fy can be
expressed as:

R 2
‘F,=-jBe - " (cw—cb)(ij

" ™
Cy_ ¢ \/E '
sin Cb\/Eﬁsin Clﬁ”sin( y="p e
27 27 T
where
B, =v2K, =, ®)
T

j is the surface current of coil, °p, and °py are the
coordinate of the point °p shown in Fig. 1, cb is the
conductor bundle width, cl is the length of coil.

The force Fy can be eliminated when cl =~/2nz.

Due to the higher harmonics and corner segments of
coil, the actual force Fy is not zero.



The method of changing the structure of coil to
reduce the force Fy is proposed. The different coils are
obtained by changing the winding mould. The forces of
these coils are predicted by using harmonic model and
coil full model.

O R e i — s R

cl

CYL T :’(\U/\*;:::@

°x r=0

Fig. 2. The different corners of coil with different
winding moulds.

I11. COILS AND FORCE EXPRESSIONS

The different winding moulds are obtained by
filleting the four edges. The different coils are shown in
Fig. 2. The coil length cl keeps constant of these coils.

The dimensions of coil and magnets are decided
according to the reference [6], and are listed in the
Table 1 shown as follows.

Table 1: The dimensions of coil and magnets

Parameters Value Unit
Pole pitch (7) 25 mm
Pole pitch of coordinate

transformation (z,) 1r7 mm
Magnet pitch (zm) 17 mm
Clearance (ap) 1 mm
Coil length (cl) 70.8 mm
Coil width (cw) 22.8 mm
Conductor bundle width (cb) 9.5 mm
Coil height (ch) 7.4 mm
Remanence of the magnet (By) 1.24 T
current density (j) 10 Almm?
Magnet array height (mh) 7 mm

Take the coil with r=0.8mm for example to derive
the force expressions of corner segments of coil. Figure
3 shows the coil, and there are eight segments marked
with number from 1 to 8.
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Fig. 3. The segments and dimensions of coil.

A. The straight segments of coil
The force expression of straight segments can be
directly given by the Lorenz force law,

F

straight =

I fycggcbf ;r i 0 O]Txcéadcxdcydcz

j fyyﬁr;”rﬁ:gﬂb[o j 0] x“Bd°xd°ydz , (9)

LT 0 o
L Xe—— .

j J.yy:,gzﬂ _[,%chb - o]T

where

°B,d °xd °yd °z
x°B,d °xd °yd °z

z,=-mh—-ap—ch, (10)
z,=—mh-ap, (11)
°B, is the transformation of the mI§3 into the global

coordinate system, X, Y. are the coordinate value of
the geometric center of coil in the global coordinate
system, d and h are the length and width of the winding
mould, respectively, r is the fillet radius.

B. The corner segments of coil

The corner segment 5 is picked for analyzing. There
are two parts to be analyzed for calculating the force,
the big circle and the small circle. The small circle
segment will be subtracted in the force calculation. The
current is in counter-clockwise direction.

The direction of current in the corner segment at
any point is the tangential direction shown in Fig. 4,
which can be decomposed into x- and y-component.



The two components are denoted with jsx and jsy,
respectively. The expressions of jsx and jsy are described

by:

. : Y-

JSx:_J ' (12)
V() + (y-ve)

L °X — X,

Jsy =) ! (13)

) (v v

where

x5:xc+%—r, (14)
y5:yc—2+r, (15)

xs and ys are the coordinate value of the center point of
the circle.

(%, Ys)

Fig. 4. The corner segment 5 of coil.

The force expression of the big circle segment is
given by:
le Z, ><c+%+cb yc—gﬁ
51 __J‘z1 J-chr%fr J.fm(cx) ’

OJT x °B,d °xd °yd °z

: (16)

[jSX ij
where

2 2
fo ()= (b 1) = (x-x) +ys, (07
The current expressions in the small circle are the

same as the big circle segment. The force expression
can be expressed as:

h

——4r
.[ _[ .[ 2
X +7—r fip (O

|: j5x ij Oj|

: (18)
x °B,d °xd °yd °z
where

fsz(cx) =P = (X = %) + Yep. (19)

Finally, the force expression of the corner segment
5 of coil is obtained and is expressed as:
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CFS = CF51 - °F52, (20)
The force expression of the other corner segments

can be obtained by using the same method.
The force of the coil is calculated by using the
harmonic model and coil full model, and the center point

°p of Halbach magnet array is along the line a—a’. In

order to verify the accuracy, the forces calculated with
harmonic model, magnetic surface charge model and
finite element model are compared. The finite element
model is obtained by the Ansoft Maxwell with percent
error 0.1, which is a very professional electromagnetic
field analysis software. The Fx and F, of three models
are shown in Fig. 5.

20

15¢

10r

Force (N)

<> Fx-Harmonic Model
% Fx-Magnetic Charge Model
— Fx-FEM Model

<> Fz-Harmonic Model

¥ Fz-Magnetic Charge Model

) L= Fz-FEM Model
) 5 10 15 20
X (mm)

Fig. 5. The comparison of Fx and F; of three models.

From the Fig. 5, it is found the error between the
harmonic model and magnetic surface charge model is
very small. Both the two models keep good consistency
with the finite element model. For the F;, the max error
between the harmonic model and magnetic surface charge
model is 0.032N and 0.203N between the harmonic
model and finite element model, which are the 0.2% and
1.28% of the peak value of the harmonic, respectively.

0.15 :
—— Fy-Harmonic Model
01 ¥ Fy-Magnetic Charge Model
: -©- Fy-FEM Model 3

0 5 10 15 20
X (mm)

Fig. 6. The comparison of Fy of three models.

Figure 6 shows the Fy of three models. The force

111



112

Fy is small but not zero. The forces Fy of the harmonic
model and magnetic surface charge model are in good
agreement. The finite element model is not correct due
to the small force Fy and the max error 0.203N obtained
by F.. The harmonic model is verified and selected to
predict the force of different coils.

IV. FORCES OF DIFFERENT COILS

The different coils are obtained when fillet radius
r takes 0, 0.5, 0.8, 1.2, 1.6 and 1.9. The forces are
calculated and compared among these coils.

Figure 7 shows the comparison of Fy of different
coils. The Fy decreases with the fillet radius r increase.
The error of the peak value between the coil with r=0
and the coil with r=1.9 is 0.318N. It is the 1.70% of the
peak value of the coil with r=0. The change of Fy is
samll from the comparison.

20 T v -
—%—r=0 e
15H©-r=05 r,/ \s
—&-r=0.8
10_#r=1.2 il W
r=1.6
5 r=1.9 Vi w
g 5 \
iy
S o
-15+ & r‘;
\\@\7\‘6}/[
_207 s r L
-17.7 -8.85 0 8.85 17.7

Fig. 7. The comparison of Fx of three models.

20 :
h ——r=0 =
15 ,\\a —©-r=0.5 f/ft
\ -8-1=0.8 /
101 W —-r=1.2 w
=16
51 W r=1.9 w
= o+ 1] W
N
[N
S5r 8 o
-10¢ o i
-15¢ \\\‘ ‘,/
N’
A7 -8.85 0 8.85 17.7
X (mm)

Fig. 8. The comparison of F, of three models.

Figure 8 shows the comparison of F, of different
coils. The F; increases with the increasing fillet radius
r. The error of the peak value between the coil with r=0
and the coil with r=1.9 is 0.388N. It is the 2.10% of the
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peak value of the coil with r=0. The change of F; is also
samll from the comparison.

Figure 9 shows the comparison of F, of different
coils. It is found that the Fy decreases firstly to zero and
then increases reversely with the fillet radius increase.
In order to distinguish the forces generated by straight
segments from the corner segments of coil, the F, of
two parts are compared.

The straight segments 1 and 3 of coil produce
the force Fy. The range of straight segments 1 and 3
decreases with the fillet radius increase, so does the
force Fy. Figure 10 shows the Fy generated by straight
segments of these coils, which is in accordance with
the inference. The magnitude of the F, of the straight
segment is very small.

0.3

—4—r=0
—©-r=0.5
0.2 —&-r=0.8
——r=1.2
r=1.6
0.1} =19

Fy (N)
o

o7 -8.85 0 8.85 17.7
X (mm)

Fig. 9. The comparison of Fy of different coils.

0.012

0.006

R

Fy-straight (N)

-0.006

0017 -8.85 0 8.85 17.7
X (mm)

Fig. 10. The comparison of F, generated by straight
segments of different coils.

The major component of Fy is generated by corner
segments of coil. To be more comprehensive, the Fy
with different fillet radius are compared in one period,
and is shown in the Fig. 11. The maximum value of Fy
for each coil is listed in the Table. 2.



0
0.02
0.01 0.01

ymm) = x (mm)

Fig. 11. The comparison of F, with different fillet
radius: (a) r=0, (b) r=0.5, (c) r=0.6, (d) r=0.7, (e) r=0.8,
(f) r=1.2, (g) r=1.6, and (h) r=1.9.

Table 2: The max value of Fy, with different fillet radius

r(mm) Max value (N) Ratio
0 0.1717 100%
0.5 0.0710 41.45%
0.6 0.0652 37.97%
0.7 0.0770 44.85%
0.8 0.0889 51.78%
1.2 0.1630 94.93%
1.6 0.2709 157.78%
1.9 0.3594 209.32%

Analyzing the value of Table 2 and the waveform
of the Fig. 11, the Fy, decreases firstly and then increases
reversely with the fillet radius increase. The Fy can be
reduced by optimizing the fillet radius of coil. For
the planar motor of this paper, the Fy is significantly
reduced when the fillet radius is equal to 0.6mm.
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V. CONCLUSION

(1) The force integral expressions of corner
segments of coil are given by Lorentz force law. The
coil full model is used for calculating the force. The
forces calculated by harmonic model, magnetic surface
charge model and finite element model are compared,
and the harmonic model is verified.

(2) The different coils can be obtained by changing
the winding mould while keeping cl as constant. The
forces of different coils are calculated by using the
model verified before.

(3) The Fx decreases and the F; increases with the
fillet radius r increase. The Fy decreases firstly and then
increases reversely as the fillet radius increase.

(4) The Fy caused by straight segments of coil is a
small proportion. The Fy, can be reduced by optimizing
the fillet radius of coil. The Fy of short sides of coil is
significantly reduced when the fillet radius takes 0.6. It
has good theoretical and practical significance.
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