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Abstract — This paper investigates the numerical and
experimental analysis of a low-cost and dual-band
microstrip patch antenna for the fifth generation (5G)
mobile communications. The numerical analysis of the
proposed antenna is performed using the computational
electromagnetic simulator (CEMS) software which is
based on the finite-difference time-domain (FDTD) and
CST software which is based on the finite integration
technique (FIT). The performance of the proposed
antenna designed and fabricated on a low-cost FR-4
substrate is verified with the simulated and measured
results. The antenna operates at dual frequency bands
which are 24 and 28 GHz. The antenna maximum gain
values are 3.20 dBi and 3.99 dBi in the x-y plane at
24 and 28 GHz, respectively. The proposed antenna
provides almost omni-directional patterns suitable for
5G mobile communication devices.

Index Terms — 5G antenna, dual-band antenna, low-cost
antenna.

I. INTRODUCTION

The developments in the mobile communications
industry have been increasing day by day due to the
increasing use of wireless and mobile devices. Therefore,
mobile communication technology [1] developed from
the first generation (1G) to the fourth generation (4G)
has become unable to meet the demands of the user
today. The fifth generation (5G) technology [2], which
can provide higher data rate, wider bandwidth, larger

Submitted On: June 6, 2021
Accepted On: July 17, 2021

capacity, and lower latency than 4G, has been developed
to meet user demands. Thus, low-cost, lightweight, and
low-profile antennas which have high performance over
a wide bandwidth and are operated at licensed frequency
bands are needed for 5G mobile communications. The
5G frequency bands [3-4] above 6 GHz announced by
the Federal Communication Commision (FCC) [5] are
licensed in the USA as 24.25-24.45 GHz, 24.75-25.25
GHz, 27.5-28.35 GHz, 37-37.6 GHz, and 37-38.6 GHz.

Some of the major differences between the 5G
mobile communication technology and all previous
technologies are to use the antennas operating at higher
frequencies where it is easier to obtain wider bandwidth
and to use efficient and high-performance antennas.
Therefore, antenna design is one of the most important
parts of 5G communication technology. The most
common antenna type is the microstrip patch antenna,
which is widely used due to its low-cost, small size, and
light weight.

The antenna design for 5G communication brings
new challenges to researchers. One of the challenges
in antenna design for 5G mobile technology is the
fabrication of small size antenna on a low-cost substrate
such as FR-4, because it is too lossy especially at
high frequencies. However, FR-4 is a common PCB
fabrication material, the most cost effective, easy to find,
and maintaining robust mechanical as well electrical
characteristics. Therefore, this substrate provides
significant cost saving to manufacturing companies for
antennas. At higher frequency, it makes difficult to

https://doi.org/10.47037/2021.ACES.J.360701
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design the antenna because of its reduced size,
inaccuracy in the connector modelling, soldering issue
between the connector pin and feeding line, and other
inaccuracy of the fabrication capabilities.

In the literature, many microstrip antennas operating
at 5G frequencies above 6 GHz [6-15] are proposed and
characterized by their compactness, small geometric
dimensions, antenna bandwidth, and gain. Most of these
were not fabricated, not measured, just designed on a
substrate having a low dielectric constant, ultra-low loss
tangent, and high cost. However, the antenna proposed
in this paper is designed and fabricated on a low-cost and
lossy FR-4 substrate. Although the antenna is fabricated
on a low cost and lossy substrate, the gain patterns and
their maximum values of the antenna are at least as
suitable as the antennas in the literature for 5G mobile
communications.

I1. ANTENNA DESING PARAMETERS

The geometry of the proposed antenna is shown in
Fig. 1 and its dimensions are given in Table 1. The
antenna is designed and printed on both sides of a
low-cost FR-4 substrate with a relative permittivity of
4.4, thickness of 1.6 mm, and loss tangent of 0.025. The
overall size of the antenna is 25 mm x 20 mm x 1.6 mm.
There are two radiating patches on the front side of the
substrate and a partial ground plane on the back side
of the substrate. The numerical analysis of the antenna
is performed using the computational electromagnetic
simulator (CEMS) software [16] which is based on
the finite-difference time-domain (FDTD) method [17]
and on CST software [18] to verify their simulation
consistency before fabrication and testing. The fabricated
prototype of the antenna is shown in Fig. 2. The
configuration of the simulation platform is Intel®
Core™ i7-4790 CPU, 32 GB Random-Access Memory
(RAM), and NVIDA RTX 2070 Super GPU operating
on Windows 10 system.

Table 1: Dimension of the proposed antenna

Fi | Fo | F3 | Fa | P | P2 | G

Length(mm)| 5 | 2 | 1 | 12| 47|23 ]132
Width(mm) | 2 | 08|04 |04 |74 | 3 | 25

port

Fig. 1. Front and back views of the proposed antenna.
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Fig. 2. Fabricated prototype of the proposed antenna.

A. CEMS simulation parameters

In CEMS simulation the problem space is composed
of cubic cells and the choice of the cell size determines
the accuracy of the solutions. In order to satisfy the
numerical stability [17], the cell size should be less than
Aminf20, where Amin is the wavelength of the highest
frequency in the problem space. Therefore, in this work,
the cell size of the problem in all directions is set to
0.1 mm which is less than Amin/20. The problem space is
terminated by 10 layers of convolutional perfectly
matched layer [19] with 15 cell layers of air buffer. The
total number of cells in the problem space is 4,950,000.
The simulation shows reasonable convergence after
8000 time-steps with the GPU computing capability of
almost 2 billion cells per second (MCPS) execution.
The resulting total simulation time of this antenna is
19.8 seconds in CEMS running on the GPU specified in
Section I1.

B. CST simulation parameters

Commercial electromagnetic software CST is used
to verify the accuracy of the simulation based on CEMS
package. To keep consistency as much as possible, time-
domain solver is also selected in CST, while unlike the
FDTD method applied by CEMS, FIT is processed as the
simulation method in CST. As for the working space,
there are 365,040 total adaptive cells, in which the cell
sizes are Amin/15 for the maximum and Amin/20 for the
minimum. It should be pointed out that CST simulation
of this antenna is computed on CPU due to the GPU
limitation in CST educational license. All the other
settings and the dimensions are kept the same as those in
CEMS and the total simulation time was 163 seconds.
The performance of this design based on CST and CEMS
will be illustrated in the following section.

I11. NUMERICAL AND EXPERIMENTAL
RESULTS

A. Input reflection coefficient and radiation pattern
The simulated and measured input reflection
coefficients (S11) of the dual-band antenna are shown in
Fig. 3 with good agreement at operation frequencies of
24 and 28 GHz. There are some acceptable differences
between the measured and simulated results. The reasons
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of these differences might be due to poor soldering for %010
the SMA connector, fabrication tolerance, losses on the
SMA connector and coaxial cable, etc. The simulated
gain patterns on the three plane cuts (x-y, x-z, and y-z) of
the antenna at 24 and 28 GHz are shown in Fig. 4. The
gain patterns in the x-y and x-z planes of the antenna are
almost omni-directional. The omni-directionality of the
antenna in the x-y plane at 24 and 28 GHz is 68.6% and
45%, respectively, for a gain difference of 6 dBi. The
omni-directionality of the antenna in the x-z plane at
24 and 28 GHz is 81.9% and 85.8%, respectively. The “Tjn@. VCos
performance parameters of the simulated and measured ST S
antenna are given in Table 2.

4=0°
+. xzplane
", 60

B. Effect of patches and ground plane

The antenna is composed of two patches: the smaller
one (P;) and the larger one (P1). In order to show the
effects of the sizes of the two radiating patches and the
ground plane on the antenna performance, the proposed
dual-band patch antenna is optimized in three different
scenarios. First only Py is optimized (Case 1); then P; and
P, are the optimization parameters with full ground plane
(Case 2) and finally only P, is optimized (Case 3). The 0
geometries of the three cases are presented in Fig. 5. I
Figure 6 shows the Sy; of the antennas obtained using widf
CEMS for these cases. The performance parameters i
of the antennas for the three cases are given in Table 3.
The simulated results show that the proposed antenna Ej
provides good impedance matching, bandwidth, and I el
better or comparable gain over the resonance frequencies * - N (‘g)
of 24 and 28 GHz compared to other cases.

Fig. 4. Gain patterns of the antenna on the three plane
cuts at (a) 24 GHz and (b) 28 GHz.

+=90°
-, yzplane

120°, 120°

Table 3: Performance parameters of different
configurations of the antennas

Resonance Su | Freq. Range | Bandwidth | Gain

Freq. (GHz) | (dB) (GHz) (MHz) | (dBi)

Case 1 24.12 -27.97 | 23.36-25.20 1840 2.11

28.06 -11.61 | 27.50-28.46 960 4.02

Case 2 23.98 -19.27 | 23.10-24.86 1760 2.49

27.20 -14.71| 26.52-27.96 1440 2.85

Case 3 21.36 -20.72 | 20.22-23.24 3020 0.66

26.26 -15.24 | 25.64-26.84 1200 0.74

2 23 24 25 26 27 28 29 30
Frequency (GHz)

C. Substrate thickness effects

By increasing and decreasing the thickness (h) of the
FR-4 substrate, the antenna performance is investigated.
The Si1 of the antennas on the thickness of 0.8, 1.6,
and 2.4 mm FR-4 substrate is shown in Fig. 7. The

Fig. 3. Simulated and measured Si; of the antenna.

Table 2: Performance parameters of the proposed antenna

Resonance | Su | Freq. Range | Bandwidth | Gain performance parameters of the simulated antennas are

Freq. (GHz)| (dB) | (GH2) (MHz) | (dB)  gjven in Table 4. The results in the table show that the

CEMs | 2416 | -234 12336-2526| 1900 | 320  thjckness of substrate has a significant impact on the
28.1 -13.4 | 27.56-2857 | 1010 | 3.99 f . bandwidth d aain. Th

n 2431 | -27.12 | 23.54-2536 | 1820 | 3.53 resonance Irequencies, bandwidth, and gain. 1he

cs 2834 | -14.33 | 27.75-28.91 1160 3.86 antenna on the 0.8 mm substrate has a wider bandwidth
Measured 24 -14.86 | 23.7-246 900 - than the proposed antenna, but its maximum gain values
282 -32.72 | 26.2-28.5 2300 - are lower than the proposed antenna. In addition, it is
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seen from Fig. 7 that the antenna on the 2.4 mm substrate 0
has an Si1 value above -10 dB in the specified frequency

o2 23 24 25 26 27 28 29 30
Frequency (GHz)

Fig. 7. Simulated S;1 of the proposed antenna on the
thickness of 0.8, 1.6, and 2.4 mm FR-4 substrate.

VI. CONCLUSION

Numerical and experimental analysis of the
proposed microstrip patch antenna on a low-cost FR-4
substrate are presented for 5G mobile communications.
The numerical analysis of the antenna is performed using
CEMS software which is based on FDTD method and
on CST software. The simulated and measured input
reflection coefficients of the antenna are in good
agreement at 24 and 28 GHz. The maximum gain values
are 3.20 dBi and 3.99 dBi at 24 and 28 GHz, respectively.
The proposed antenna has good performance in a small
form factor which makes it a good candidate for 5G
handheld devices.
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Abstract — In this paper, an improved array factor of the
concentric uniform circular array (CUCA) antenna is
proposed for the orbital angular momentum (OAM)
vortex beam optimization design. From the perspective
of the radiation pattern’s power conservation principle, a
correction factor is introduced to the conventional array
factor of CUCA. Then, based on the improved array
factor, by adjusting the rings’ radii parameters of the
CUCA, we optimize the vortex beam’s sidelobe level
through the generic algorithm (GA). Two different
CUCA antenna model are calculated as examples to
further illustrate the effectiveness of the improved array
factor. Subsequently, an electromagnetic simulation
model of two rings CUCA antenna is built at C band
for generating low sidelobe vortex beam carrying OAM
mode. The electromagnetic simulation model of the
designed CUCA antenna is also fabricated and
measured. The corresponding antenna far-field vortex
beam radiation pattern and near-field vortex wave
electric field distributions are measured. The simulation
results and the measurement results are in good
agreement. The proposed designs of antenna and OAM
vortex beam regulation are expected to be used for 5G
and 6G communications applications.

Index Terms — Concentric uniform circular array
(CUCA), Generic algorithm (GA), orbital angular
momentum (OAM), sidelobe suppression, uniform
circular array (UCA), vortex beam.

I. INTRODUCTION

It has been many years since the concept of the
orbital angular momentum (OAM) was presented [1]. In
2007, the OAM was introduced in radio domain through
the uniform circular array (UCA) antenna [2], and then
it was systematically researched [3]. The OAM was
considered to be applied in communication and radar
field [4-7], although there were still some controversies
about it [8-12]. At the same time, many kinds of OAM
vortex wave antennas were developed [13]. The array
antenna especially UCA antenna [4, 7] and metasurface
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antenna [14-17] are comparatively more widely used.

Since the UCA antennas were researched
systematically, it was widely researched in wireless
communication [4, 18, 19] and radar imaging [7, 20].
However, there are still many important problems needed
to be solved [4, 11], and one of them is the vortex beam
optimization design, such as the sidelobe suppression. It
seems that a few publications consider this issue. In the
communication domain, it was referred in [4] that the
high peak intensity sidelobe of the vortex beam caused
the power dissipation, but no better solutions were
presented. In the radar domain, the CUCA antenna [7,
20] were used for vortex beam alignment and sidelobe
suppression. In [7], the multiple OAM modes vortex
beams’ mainlobe alignments were realized by changing
the different rings’ radii of the CUCA. For different
types of single OAM mode vortex beam, in [20], the
vortex beam sidelobe suppression and beam collimation
were achieved simultaneously through controlling the
excitation amplitude of the CUCA with the fixed array
radiuses.

Nevertheless, we find some drawbacks that were not
evidently noticed in the previous related researches when
they design and simulate the UCA antenna models. We
note that the UCA array factor used in the traditional
design process is inaccurate especially in the CUCA
design, which is virtually an approximation. In this
paper, we introduce a correction factor (CF) to improve
this deficiency. The improved CUCA array factor is
utilized in our vortex beam optimization design. Then,
through the generic algorithm (GA) optimization about
the radius settings of the CUCA, the low sidelobe vortex
beam can be realized. The rest parts of this paper are
organized as follows. In Section Il, the CUCA model is
reanalyzed and the correction factor (CF) for the CUCA
antenna array factor is presented. Then, it is the specific
optimization process and the related analysis through
the GA. In Section Ill, an electromagnetic full-wave
simulation model of a two rings CUCA antenna is
optimized, designed, and built, based on the improved
array factor, and the corresponding vortex beam
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1054-4887 © ACES

830



831

radiation pattern analysis are carried out. Finally, we
fabricated the designed two rings CUCA antenna. The
corresponding far-field and near-field measurement are
finished. Section 1V is the conclusion.

I1. CONCENTRIC UNIFORM CIRCULAR
ARRAY (CUCA) ANTENNA MODEL AND
THE GA OPTIMIZATION DESIGN

In this part, the CUCA model’s array factors are
reanalyzed, and the correction factor (CF) is introduced
for improving the accuracy of the CUCA’s array factor.
Then, based on the improved array factor, a corresponding
new fitness function for GA is derived for vortex beam
sidelobe suppression optimization design. By optimizing
the radius parameters of the CUCA, the best radius
parameters are obtained. The corresponding design and
optimization processes are also presented in detail.

A. CUCA antenna model re-describe

A general CUCA antenna model is shown in Fig. 1,
and the array factor of the single UCA can be written as
[3, 21],

AFi (r) — Nz_l 1 ejk‘r*"n‘ej’(ﬂn

n:0|r_rn|

N I
r n=0

N J_« ek lewJ ,(kasin 6)

where @, =2zn/ N is the azimuth angle of the ny, array

element of the UCA, and ¢ is the OAM mode number.
The array factor of the CUCA is,

AF(r) = ZN J-’e

where i means the i ring of the CUCA. Noting that
there are some approximations in the formula derivation

e, (ka sin @) , )

process: the far-field approximation of |r—rn| ® r—?~rn
for phase approximation, and |r—r,|~ r for amplitude

approximation. Simultaneously, note that there is also
another approximation which is very important that could
be ignored, i.e., the Bessel function in (1) is actually
obtained when N is large enough. However, if N is not
large enough, this approximation will no longer be hold.
This problem is not obvious in the single ring UCA
design, but it will affect the accuracy of the CUCA’s
vortex beam design.

We introduce a correction factor (CF) to correct this
inaccuracy based on the principle of power conservation.
The approximate AF(r) in (1) includes the item

J, (kasin @) whose parameter a will lead to the shape
stretch or squeeze of this Bessel function, J, (kasin ),
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with its peak value remained unchanged, which is
unreasonable compared with the actual UCA antenna
radiation. As researched in [3], when the radius of the
UCA changes, the obtained radiation pattern gain will
also change, i.e., as the UCA radius increases, the gain
of the vortex beam also increases. Thus, in order to solve
the problem of this inconsistency, we add a correction
factor (CF) into the AF(r). The CF is defined as,

CF(i)=J1/P
1 (9 2 5
_ Jl/{wi [ AR ()16}

where P; is the normalized power which excludes the
influence of N;, the array elements number of the single
ring UCA. Considering the symmetry and calculation
concise, only quarter space of the radiation pattern,
i.e., the angle range from O degree to 90 degree, are
calculated. Thus, the corrected array factor of the i ring
UCA could be,

AF(r) = AF,(r)-CF(i) . (4)

€)

£

YA

P(r.8,p)

e

I \

-
/oy

Fig. 1. The CUCA model. It is composed by several rings
UCA with different radiuses, a, . The array element

number of each UCA is N;, i=1,2,---,
ring number of the CUCA.

m, and m is the

Then the corresponding array factors of an eight
elements UCA antenna model under different radius
parameters are calculated. Note that the working
frequency is 4.25 Hz with working wavelength of 1 =
0.07 m, and the order of the Bessel function is ¢=1
which corresponds to the OAM mode number ¢ =1. As
shown in Fig. 2, the normalized array factor change
curves versus different UCA radii are compared together
under the condition whether the CFs are added. As
shown in Fig. 2 (a), when the UCA’s radius changes, its
array factor curve is stretched or squeezed while holding
the same peak value. From the perspective of power
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conservation, this is unreasonable. Thus, as shown in Fig.

2 (b), the CFs are used. As the UCA’s radius changes, the
array factor curve’s peak value adjusts correspondingly.
For example, when the UCA’s radius decreases, its
radiation pattern will be stretched, and thus the
corresponding peak value will turn to be decreased. We
remark that the array factor curves calculated with the
CFs turn to be more reasonable and more close to the real
radiation pattern.

1

lo- 0.75 A
S 0.8 == =1
& 1.25 X
5
£ 06
[}
- ~
S04 e
s
g 0.2
=z
of
100
1
§ 0.75 )
C 0.8
&
>
Eosf
o
2
N 047
®
=

o

6 (deg)
(b)

Fig. 2. The normalized array factor change curves under
different UCA radiuses, (a) wihtout CF and (b) with CF.
Three different UCA radiuses are used here, 0.754, 14,
and 1.254.

B. GA optimization design and two calculation
examples

In this subsection, based on the improved array
factor of the CUCA, the array optimization design for
vortex beam’s sidelobe suppression through the GA is
performed. We describe the corresponding optimization
problem and optimization process in detail. Then, two
different CUCA antenna models are calculated as the
examples to further illustrate the effectiveness of the
improved array factor with the correction factor (CF).

The array factor of the CUCA can be rewritten as,

m jkr .
AF.(r) = Y AN, i =73, (ka, sin 0)}CF (i)

-1 r
- 5)

= AF,(0)-CF (i)
i=1

The fitness function of the GA can be expressed as,
f(@) =P /P, (6)

where a=(a;, a,,---,a), Psice is the power level of the

sidelobe, and P is the peak power level of the CUCA’s
array factor. Thus, the corresponding optimization
problem turns to be as follows,

Aa<b,
by <a <ub;

min f(a) s.t.{ (7

A is the corresponding coefficient matrix used for
restricting the radii of the CUCA’s rings.

a=(a,a,,,a)" isthe vector constituted by the radii
of the different rings of the CUCA, in which expression
(*)" means the matrix transpose. b is the corresponding
coefficient vector. Ib = (Ib,lb,,...,Ib) and ub =
(ub,,ub,,...,ub;) are the low boundary and up boundary

constraints of the different rings’s radii of the CUCA.
All these optimization parameters, including matrix A,
vector b, low boundary Ib, and up boundary ub, are
decided by the specific CUCA configurations.

Then, we calculate two examples: one example is a
two rings CUCA model, and the other example is a three
rings CUCA model. In both these two calculation
examples, three different situations are compared, the
CUCA’s array factor calculated with the CF, the
CUCA’s array factor calculated without the CF, and the
exact array factor calculation using pattern multiplication,
i.e.,, exact calculation. We calculated the two rings
CUCA antenna model and three rings CUCA antenna
model respectively as follows. Note that the rings’ radius
parameters are optimized through the GA, and the
optimized array factor with the CF is adopted here.
The corresponding GA optimize processes are mainly
realized by the optimization tool in MATLAB. The main
related parameters configurations about the GA are listed
in Table 1, and the other related optimization parameters
are default. Note that for the Mutation function and
Crossover function, the default options ‘Constraint
dependent’ was adopted in the ‘optimtool” of MATLAB.
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Table 1: The relevant parameters settings of GA in MATLAB

Population Optimization Crossover Mutation Crossover Stopping Criteria -
Size Variable Number | Fraction Function Function Generations Function
Tolerance
. . . . Optimization
50 20r3 0.8 diogzg;?,t d(éogzg;?,t variable 10 ¢®
P p number x 100

For three rings CUCA antenna model, it has 8 array
elements, 14 array elements and 20 array elements for
each ring. The boundary constraints adopted here in the

GA optimization are set as,
1-10 -0.025
A= , b= ,
01 -1 —0.025
Ib =(0.045, 0.07, 0.095), (8)

ub =(0.12, 0.12, 0.14).

Note that the length unit used here is meter and the
working frequency is 4.25 GHz with working wavelength
of 0.07 m. For the two rings CUCA antenna model with
8 elements and 14 elements, its boundary constraints
adopted in the GA optimization are set as,

A=[1 -1], b=[-0.025],

Ib =(0.045, 0.07), 9

ub =(0.12, 0.12).

Note that all these parameters are selected based on the
given CUCA antenna model’s configurations, which
considers the factors such as the interval space between
the array elements, the interval space between the
different UCA rings, and the amount of the array
elements of the CUCA.

After performing the GA optimization, we obtain
the optimized radius parameters of the CUCA models as
follows. For the two rings CUCA maodel, we select the
optimized radiuses parameters as 45 mm and 86 mm.
The calculated array factor curves under three different
situations are compared together in Fig. 3 (a). For
the three rings CUCA model, its optimized radiuses of
the three rings are 47.2 mm, 71.2 mm, and 112.3 mm
respectively. The calculated array factor curves are
compared in Fig. 3 (b) as follows. From these two
calculation examples, it is obvious that the array factor
curve calculated with adding the CF is closer to the exact
calculation results. For the calculated array factor with
CF, although there are still some inconsistencies, its
main radiation pattern parameters, such as the mainlobe’s
beam width, and the sidelobe’s zero positions, are more
consistent with the array factor calculated under the
exact calculation.

Noting that the CUCA model used in this paper is
an ideal antenna model, and we mainly solve this
problem from a pure mathematical perspective.
Although only the array factor of the antenna array is
considered, however, it usually has an important weight

in antenna array design. In practical antenna design and
optimization design process, the array antenna design
theory must be followed.

For example, in this paper, N is the array element
number of each UCA. From a pure mathematical
perspective, N is arbitrary, however, in practical antenna
design process, the actual antenna size limit, as well as
the array antenna elements’ interval distance and their
mutual coupling constraints, all these factors will restrict
the number of N. In practical optimization design, the
applicable range of N is usually determined by the actual
antenna array model. Moreover, for the GA optimization,
the selection of the boundary constraints is also
important, different boundary constraints selection could
lead to different optimization results.
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H ! \\ exact calculation |
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Fig. 3. Comparison about the calculated array factors
of two rings CUCA and three rings CUCA under
these three different situations, without the correction
factor (CF), with the correction factor (CF), and exact
calculation. (a) The two rings CUCA antenna model; (b)
the three rings CUCA antenna model.
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I1l. ARRAY ANTENNA SIMULATION AND
MEASUREMENT
In this part, the electromagnetic (EM) simulation
models of the CUCA antenna with the optimized rings’
radii is built through EM simulation software ANSYS
HFSS to realize low sidelobe vortex beam design with

OAM mode number ¢ =1 at center frequency 4.25 GHz.

Two other antenna array models are also built as
references: One model is a single ring UCA antenna, and
the other model is a double rings CUCA antenna whose
ring radiuses are different from the optimized radius
parameters values. Finally, the optimized CUCA antenna
is fabricated, and it is measured in both far-field and
near-field environment.

A. Array antenna simulation

Considering the electromagnetic simulation model
construction and the ease of the prototype fabrication
and measurement, we optimized another two rings CUCA
antenna model with eight elements for each rings.
Adopting the GA optimization process mentioned above,
based on the improved array factor of the CUCA, finally,
we select a group optimized radius parameters, 54 mm
and 98 mm, as our design parameters for the simulated
EM simulation model of the two rings CUCA antenna.

dB(Gain RHCP)
10

0
,m
Lo

30

-40

Fig. 4. The size of the array are all same with 260 mm x
260 mm x 2 mm, and the substrate used here is F4B whose

&, = 2.65. (a) The single ring UCA whose radius is
86 mm; (b) the double rings CUCA, a, = 69 mm, and
a, = 100 mm; (c) the optimized CUCA, a, = 54 mm,
and a, = 99 mm; (d)-(f) the simulated 3D radiation
patterns.

Together with the other two reference array antenna
model, these three different EM simulation models are
shown in Figs. 4 (a)-(c), whose 3D far-field radiation
patterns are shown in Figs. 4 (d)-(f). What needs to be
mentioned here is that a center feeding right hand
circular polarization (RHCP) antenna is used as the array

element to simplify the later feeding network design,
because an optional excitation phase of the array element
can be easily realized by centrally rotating the certain
angle of the antenna element [22, 23]. But for brevity, it
is not exhibited here in detail. In Fig. 5, the 2D radiation
gain pattern of these three different array antenna models
are compared together. The optimization array with
sidelobe suppression has slightly larger gain than the
other two models’ gain. The optimized CUCA antenna
does work, whose sidelobe level is obviously better than
the other two reference models, and it obtains nearly -15
dB vortex sidelobe level.

15
10}

FFSrrrrrrrrrEIIS

Gain pattern (dB)
(3.

o [\
single array t i
-20 A ! = == - double array 1
f optimization array "‘
-25— ! : ;
-200 -100 0 100 200
0 (deg)

Fig. 5. The 2D radiation gain pattern comparisons
between the three different CUCA antenna models. The
exact maximum gain values of the single array, double
array, and optimization array are 11.8 dB, 12.8 dB, and
13.1 dB respectively.

B. Array antenna measurement

The fabricated prototype corresponding to the
CUCA model in Fig. 4 (c) is shown in Fig. 6. A 16 ways
power divider module is used for antenna array feeding,
which was connected to the antenna array by the same
RF cables with same length. Before the actual test in the
microwave anechoic chamber, the S11 of the prototype
antenna is measured as shown in Fig. 7, which satisfies
the general engineering requirements.

Antenna array

[ RF cables |

(a) (b) ()

Fig. 6. () The whole prototype of the antenna array with
the feeding network. The size of the array prototype is
260 mm x 260 mm x 2 mm. (b) Top side view, and (c)
bottom side view.
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= |—measured S11

S parameter (dB)

4.0 4.1 4.4 45

42 4.3
Freq (GHz)
Fig. 7. The measured S;; of the prototype antenna.

Scanning plane

I-“Antenna
array

(a) (b)

Fig. 8. (a) The far-field measurement environment.
(b) The near-field measurement environment, and the
distance between the measurement probe and the
antenna array is 700 mm, the scanning plan is 800 mm x
800 mm with sample period of 16 mm leading to 51 x51
sampling grid.
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Fig. 9. The 2D radiation pattern comparisons between
the simulated results and the measured results.

The far-field and near-field measurement
environment are shown in Figs. 8 (a) and (b) respectively.
In Fig. 9, the simulated 2D radiation pattern and the
measured results are compared together, which are
consistent. It can be seen that a nearly -15 dB sidelobe
level is realized. Finally, the vortex beam electric field

ACES JOURNAL, Vol. 36, No. 7, July 2021

distributions are measured and they are compared with
the simulation results as shown in Fig. 10, which are
consistent well. From Figs. 10 (a) and (b), it is obvious
that the typical ‘doughnut’ shape electric field
distribution and spiral phase distribution are obtained,
and the circular polarization OAM vortex wave carrying
OAM mode number ¢=1 is realized. In Fig. 11, it
performs a further OAM mode purity analysis [24] about
the measured vortex electric field, in which the principal
OAM mode component of OAM mode number ¢ =11is
obviously higher than the other modes about 18 dB.

Simulation results
deg

dB AR
- 180 9.2
| 135 | 84
90.0 76
450 6.9
0.00 § 6.1
45.0 | 3
90.0 45
v 135 38
J F 130 IEEESECSS 3.0
(a) (b) (c)
Measurement results
dB deg
. 0 B ~F 150 35
él 8 V \‘ 135 3l
-5 90.0 o 27
| Fos 450 23
30 0.00 19
38 45.0 15
o f 45 / 90,0 il
53 -133 0
NN~/ 0
(d) ©)

Fig. 10. The simulated and the measured vortex electric
field distributions. The simulated observation plane has
same size as the measurement, and the distance between
the observation plane and the array is same as the
measurement situation. (a) Intensity distribution, (b)
phase distribution, (c) axial ratio (AR) distribution. The
areas with dark blue color means that the value of the AR
is less than 3dB, and (d)-(f) is the measurement results.
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Fig. 11. The calculated OAM mode purity of the
measurement vortex electric field, and the normalized
OAM mode power means the power of different OAM
modes that are normalized by the total received OAM
mode power.
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IV. CONCLUSION

To summarize, considering the inaccuracies about

the approximate array factor calculation of the CUCA
antenna, we introduced a correction factor to improve it
from the viewpoint of the antenna’s radiation pattern
power conservation. The corresponding illustrations and
the calculation examples were also provided in detail. In
order to realize the vortex beam optimization design
such as the sidelobe suppression, the GA was adopted to
optimize the CUCA’s radius parameters. Relevant EM
simulation model were built, fabricated and measured.
The corresponding far-field and near-field antenna
measurements were carried out in microwave anechoic
chamber, which showed that the optimized low sidelobe
vortex beam was realized. Not limited to the sidelobe
suppression, this design method about the vortex beam
optimization design, could be applied in the wireless
communication field and radar field in the future.
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Abstract— This paper introduces a constrained normalized
adaptive sparse array beamforming algorithm based
on approximate Lo-norm and logarithmic cost (LO-
CNLMLS). The proposed algorithm can control the
sparsity of the array by introducing an approximate
function of Lo-norm. In addition, the introduction of
logarithmic cost improves the stability of the algorithm
as well as the convergence rate of the algorithm. The
sparsity of the array can be controlled when adjusting
related parameter in the proposed algorithm. Simulation
results show the better performance of LO-CNLMLS
compared with some conventional algorithms.

Index Terms — Approximate Lo-norm, constrained
adaptive beamforming, logarithmic cost function, sparse
Sensor arrays.

I. INTRODUCTION

The sparse antenna signal processing technology
has a wide application in modern signal processing. In
practical applications, the communication system may
be restricted by conditions such as energy, which may
require the system to reduce the number of equipment.
The sparse array signal processing technology is
proposed to address this problem. In recent years, a main
method of sparse array technology is to use sparse
algorithms which can achieve the same performance and
use less actual elements. Aiming at the application of
beamforming, a sparse adaptive beamforming algorithm
is proposed.

The adaptive digital beamforming technology is
widely used due to its good characteristics. The early
classic beamforming algorithm is the linearly constrained
minimum-variance (LCMV) algorithm proposed in [1],
which can form the ideal beam in the case of fixed
interference signals and desired signals. Subsequently,
people successfully achieve the adaptive realization of
LCMV algorithm which called constrained normalized
least mean square (CNLMS) algorithm [2]. These adaptive
beamforming algorithms can solve the optimization
problem for any desired signal and interference direction.

With the introduction of compressed sensing
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technology in [3] and the corresponding algorithms in [4-
5], people start relative study about sparse adaptive
algorithms. The zero attracting LMS algorithm generates
a zero attractor according to a combination of L;-norm
penalty and the quadratic LMS cost function in the
iteration. A series of related algorithms [6-7] provide an
idea to study sparse adaptive algorithms.

Based on the ability of these previously mentioned
algorithms to induce sparsity, we can expand these
methods’ application by introducing linear constraints.
Inspired by the sparse adaptive algorithm [8-10], for
beamforming applications, the L;-norm CNLMS algorithm
proposed in [11] and its weighted version successfully
introduce L;-norm penalty into beamforming algorithm.
However, it has a disadvantage that the sparsity cannot
be adjusted. In addition, many beamforming algorithms
based on the adaptive algorithm LMS have been proposed
and applied to various aspects of signal processing for
specific conditions [12-13]. In this paper, we propose an
adaptive sparse array beamforming algorithm based on
approximate Lo-norm and logarithmic cost (LO-CNLMLS).
The proposed algorithm can control the sparsity of array
as well as improve the stability.

In compressed sensing theory, the sparse signal
reconstruction ability of Lo-norm is much better than
Li;-norm. However, due to the non-convex nature of
Lo-norm and the optimization problem of Lo-norm is NP-
hard problem, most algorithms use L;-norm to solve the
problem of sparse signal reconstruction. In recent years,
more and more approximate methods for the Lo-norm
have been proposed and widely used. In the algorithm
proposed in this paper, an approximate function of Lo-
norm is used for calculation and derivation. Using the
steepest descent iteration method, the update expression
is successfully obtained. Besides this, a novel of new
convergence factor is used and makes the algorithm get
a better convergence rate.

In addition, we introduce a kind of logarithmic cost
function [14] based on the original algorithm. When
the algorithm uses a logarithmic cost function, its
convergence rate can be better than that of the classical
algorithm like LMS. The logarithmic cost function

https://doi.org/10.47037/2021.ACES.J.360703
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makes the algorithm compromise between convergence
speed and steady-state performance. In the case of
ensuring a certain convergence speed, the stability of the
algorithm is also improved. Furthermore, the introduction
of a logarithmic cost function does not add too much
computational complexity.

I1. THE PROPOSED L0-CNLMLS
ALGORITHM

In this section, the derivation steps of LO-CNLMLS
is shown in detail. Since the logarithmic cost shows good
characteristics for the disturbance on the error, we add
the logarithmic cost function into the mean square error.
Then the linearly constrained minimization problem can
be expressed as follows:

. 1 C'w, =z
minE| e, | —=log (1+ o€’ }s.t. T a
ni [I [ = log L+ ae) {Ilvvkllfp (1)

where e, and w, is iteration error and the vector of

coefficients in the algorithm. C is an N x L constraint
matrix which contains the array orientation information
and Z is the corresponding constraint vector containing
L (number of constraints) elements. p is the parameter of
Lo-norm to adjust the sparsity of the algorithm.
Considering that Lo-norm minimization is a Non-
Polynomial (NP) hard problem, an approximate function
is carried out to simplify the complexity of computation.
A popular approximation is the Geman-McClure function,
the expression can be written as:
F (x) 1- 1+ ﬁlxl (2)
The derivative form of the Geman-McClure
function which will be used in the following derivation
is given by:
f,(x) _M 3)

W+ 1 x))?
where sign(x) denotes the basic signum function. By

employing the Lagrange multiplier A, the constraints
can be included into the objective function. And then we
can get the cost function with Lo-norm penalty as follows:

2 1 2
J(W):EDekl —;Iog(1+aek )} 4)
- (Z—CHW)—JQ(p—H w,lly)-

According to the steepest descent method, the
solution for J (w) can be given as:

w(n+1) = w(n) -%ﬁWJ (w). (5)

Symbol V denotes the gradient operator and Hy

is a fixed value which controls the misadjustment.
Differentiate and calculate the cost function which
contains Lg-norm penalty, the gradient vector can be
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obtained as (6):
VJ (W) =29 (e;) X, +Chy + 4, (W), (6)

a(e)’
ale)’

knowledge CHWk =z , we can get the solution of

where function g(e;)z . Using the prior

Lagrangian multiplier 4, giving by:
A=(c'c) C(20E)% - T,wW). ()
The value X, denotes the input signal vector in the
k™ iteration. By defining the Lo-norm error function as
e, (k)=

formula, the solution of A, can be obtained as follows:

A :%[-%e% (k) + £, (w, ) (29(e )% —CL)1, (8)

(Wk)Wk and rearranging the terms of

where N = fﬂH(x) fﬂ(x) . After organizing the formulas,

the solutions for A, and 4; can be obtained. The final

update equation of LO-CNLMLS algorithm can be
expressed as follows:

W w s 00, @
where
P=1,,-C(c"c) c",
a—fH(wk)ka,
b= (Wk)Pf( )
af, (w,)
s P[ b j (10)

XORISCTAT ey

(&~ (0%, )
e = ekQ”xk +y '

The variable 4, is anew convergence factor carried out

to minimize the instantaneous posteriori squared error at
instant k [15]. Bases on the above derivation process, we
can get:

0] e (K)en ()]
oy
where e, (k) = ¢, (1—,ukx,t'Q)—fL0(k)xk . According

(11)

to the prior knowledge and solve the above formula (11),
we can get the expression of the new convergence factor:

RAC MG

= 12
H e Q"x, +7 (2



The parameter ¥ is a small positive constant to
ensure the correctness of the calculation. By replacing
o With g, the above final iterative formula can be
obtained.

I1. SIMULATION RESULTS

In this section, several simulations are carried out
to show the better performance of the proposed LO-
CNLMLS algorithm. Simulation results and comparisons
of LO-CNLMLS with similar algorithms (shrinkage L1-
norm constrained LMS algorithm (SL1-CLMS) [16],
LO-norm feature LMS (LO-F-LMS) [17] and LO-
CNLMS) are illustrated to demonstrate the improvement
of the proposed algorithm. Interferers and the signal of
interest (SOI) used in the experiments are narrowband
QPSK signals. The experiments are conducted under two
different sparsities.

In the first simulation the parameter of the
approximate Lo-norm function is set to be 15 and the
parameter « is set to be 2. The initial adaptation step size
of LO-CNLMLS and LO-CNLMS is fixed at 0.004 and
0.003, respectively. For LO-F-LMS, the adaptation step
size is set to be 5x10°. The sparse parameter p is 0.3.
The iteration number is 6000 in this simulation.

Beampattern

8= L0-CNLMLS
LO-CNLMS

——L1-WCNLMS
SL1-CLMS

—*—L0-F-LMS

-15

Gain(dB)
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Azimuth

L L
0 20 40 60

Fig. 1. Beampatterns for LO-CNLMLS algorithm and
similar algorithms.

Figure 1 shows the beampatterns for LO-CNLMLS
algorithm and some other algorithms. Results show that
the proposed algorithm and the other algorithms all can
form main lobe and nulls. In the terms of side lobe, the
average height of the five algorithms is almost the same.

Figure 2 shows the thinned triangular array and
the change of coefficient vector for Lg-norm to LO-
CNLMLS algorithm and the other two algorithms which
use Lo-norm. The array used in the simulations is a
triangular array considered as the senor for P-band

WANG AND LI: ADAPTIVE SPARSE ARRAY BEAMFORMING ALGORITHM

signals which has particularly advantage in satellite
detection. The triangular array contains 117 array
elements. The white points represent the array elements
which are closed while the black points denote normal
working antenna arrays. From the Lo-norm in Fig. 2, the
LO-CNLMLS algorithm converges after 5000 iterations.
It is found that the LO-CNLMLS algorithm converges
faster than the LO-CNLMS algorithm and LO-F-LMS
algorithm.

According to the numbers of the points, the sparsity
of the array can be calculated as 30.7% which is very
close to the preset sparse parameter value of 30%. The
LO-CNLMS algorithm and LO-F-LMS algorithm achieve
a sparsity of 31.6%. It is obvious that the LO-CNLMLS
algorithm can control the sparsity much better than the
other algorithms under the same conditions.

Thinned Antenna Array Using LO-CNLMLS Tzhinncd Antenna Array Using LO-CNLMS
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Fig. 2. Thinned triangular array for the LO-CNLMLS and
other two algorithms: (a) LO-CNLMLS; (b) LO-CNLMS;
(c) LO-F-LMS; (d) convergence of the used algorithms.

In experiment 2, the sparse parameter p set to be 0.7
with the other parameters unchanged. Figure 3 and Fig.
4 show the respective beampatterns and thinned triangular
array of the proposed algorithm and other algorithms.

According to the thinned antenna array in Fig. 4, the
sparsity of the array in this simulation can be obtained as
70.1%. For large sparse ratio, the LO-CNLMLS and LO-
CNLMS are almost the same in the ability to control the
sparsity of the array while the LO-F-LMS shows a worse
performance by calculation. Simulation results prove
that the sparsity of the array can be controlled by the
adjustment of corresponding parameter.

Figure 4 (d) shows the Lo-norm of the coefficient
vector. The better convergence ability of proposed
algorithm can be seen. The LO-CNLMLS algorithm
converges after about 2300 iterations, the LO-CNLMS
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and LO-F-LMS converged slight slowly. Table 1 shows
the comparison of the two experiments. The proposed
algorithm achieves sparsities of 30.7%, 70.1% which
equal to the prescribed parameter p of 0.3, 0.7.

Beampattern

8- L0-CNLMLS
LO-CNLMS
——L1-WCNLMS|
#SL1-CLMS
—*—L0-F-LMS

'

=

S bk O W
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Gain(dB)
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Fig. 3. Beampatterns for LO-CNLMLS algorithm and the
other algorithms under large sparsity ratio.
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Fig. 4. Thinned triangular array in experiment 2: (a)
using LO-CNLMLS; (b) LO-CNLMS; (c) LO-F-LMS; (d)
convergence of the used algorithms with p=0.7.

Table 1: Comparison with different sparsity ratio

Experiment Parameter Result
I 0.3 0.307
11 0.7 0.701

In addition, we found that the logarithmic cost can
improve the stability of proposed algorithm. Figure 5 is
two different results in simulation 1. The LO-CNLMS
achieves different sparsities of 31.6% and 32.4% under
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the same parameters, while the LO-CNLMLS shows
better stability in controlling the sparsity than LO-F-LMS
algorithm. As for SL1-CLMS algorithm, the algorithm
uses too much different array elements in different
sparsities. Compared with algorithm using Li-norm, the
LO-CNLMLS algorithm achieves the ability to precisely
control the sparsity of the array. The logarithmic cost
ensures a good agreement between the sparse parameter
and simulation results, which shows the better
performance of proposed algorithm.
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Fig. 5. Two different results in simulation | under same
conditions. (a), (b) The antenna array thinned by LO-
CNLMLS with sparsity of 30.7%. (c), (d) The antenna
array thinned by LO-CNLMS with sparsity of 31.6%,
32.4%, respectively. (e), (f) The antenna array thinned by
LO-F-LMS with sparsity of 30.7%, 31.6%, respectively.
(9), (h) Different results of antenna array using SL1-
CLMS.
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1IV. CONVERGENCE ANALYSIS
In this section, the convergence analysis of LO-

CNLMLS is carried out. Defining the priori error in the
k™ iteration as:
g =X, W, +n,

—Xf'w, =n, —x'Aw, , (13)

where Aw, =w, —w, , W, is considered as the

optimal coefficient vector and n, denotes the noise in

the k™ iteration. Defining &, = Qka , the final iteration

equation of proposed algorithm can be written as:
Wes =W+ 22 () U0 JQ+T (k). (14)
k

Combining the element f, (k) and inserting €,
into (14), the equation can be expressed as:

ka}f (k)+ g(ek)Q (15)

When the algorithm is converged, the constraint
conditions  f,' (w, )w,,,; =p should be satisfied.

Wy =W +

Defining fﬂ (wk):fk . According to equation (10), we
can get:

f, (k) =(f'w, - f, wk)[P; j:—AAWk, (16)

Pf,
where A =KX

is an idempotent matrix. The

conclusion tr[A] =1 can be easily obtained shows that

there is only one non-zero eigenvalue among all the
eigenvalues of matrix A. Therefore, the coefficient error
form of (15) is:

AW, ,, = Aw, +[I —ﬂQxE](—AAWk)
k

+£gE)Q
&y , (A7)

=[1- 1,B] AW, —[1 - 11,9 () B]AAW,
+Hg'E)nQ
&y

H
Xk

where B = is also an idempotent matrix with a

&
k
non-zero eigenvalue of 1. From simulation results

a(e )

g '(e;)- can be obtained as a constant very
1+ a(e )

close to 1. Then, take expectation on both sides of (17),
we will have:

E[Aw, ] = E{[l - 14,BI[l - AlJaw, } + E{ﬂ n;Q}. (18)
&

k

According to [15], Aw, is statistic independence

with n,, x, and f,. Under the truth of the expectation

of n_is 0, (18) can be written as:
ElAw, ;] =[I - 1B][I - A]JE[Aw, ] = 19)
[1- 1Bl _A_,UOB_/UOAB]I([I —AJE[Aw,].
In the case of AB=0, we can get the final
convergence domain as:
0< <l (20)
Actually, the convergence domain is a little larger
according to [14] because the introduction of logarithmic
cost can influence convergence performance. The
selection of step-size for LO-CNLMLS is always far

below the upper bound to gain better performance in
actual application.

V. CONCLUSION

In this paper, an adaptive sparse array beamforming
algorithm based on approximate Lo-norm and
logarithmic cost (LO-CNLMLS) is proposed and
analyzed. The LO-CNLMLS algorithm uses GMF
function to be the approximate function of the Lo-norm
penalty and avoid the NP-hard problem. The
introduction of Lo-norm allows the algorithm to control
the sparseness of the array. The use of logarithmic cost
function improves stability while ensuring a certain
convergence speed of the algorithm.

Simulation results show that the proposed algorithm
exhibits better performance and convergence speed
compared with some sparse beamforming algorithm in
recent years under different sparsities. In addition, the
LO-CNLMLS algorithm can control the sparsity of
antenna array more precisely for small sparse ratio, so as
to improve the stability performance. In the future, the
algorithms in [18-21] will be considered to construct new
sparsity beamforming algorithms.
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Abstract — The performance of a proposed cross hybrid
dielectric resonator antenna (DRA) element for dual
polarization configuration operating at 26 GHz for 5G
applications is presented in this paper. The new cross
hybrid DRA unit cell is introduced which combines a
cross shape DRA with a bottom loading cross microstrip
patch. This technique of a bottom loading cross
microstrip patch is chosen as the tuning mechanism
(varying the length of the microstrip to tune the phase)
instead of changing the DRA dimensions because of
their ease of implementation and fabrication. By doing
so, high reflection phase range with low reflection loss
performance can be obtained, which is essential for
a high bandwidth and high gain reflectarray for 5G
applications. The design and simulation have been done
using commercial software of CST MWS. The reflection
loss, reflection phase and slope variation were analyzed
and compared. A metallic cross microstrip patch of
varying length placed beneath the DRA to act as the
phase shifter to tune the phase and give smooth variation
in slope with a large phase range. The proposed cross
hybrid DRA unit cell provides a high reflection phase
range of 342° and 1.8 dB reflection loss. The computed
results are compared with experimental results revealing
reasonable agreement, thereby confirming the viability
of the design.

Index Terms — DRA reflectarray, phase range, reflection
loss, reflection phase, unit cell.

I. INTRODUCTION

Reflectarray antennas are the combination of some
capabilities and some advantages between phased array
antennas and parabolic reflectors [1,2]. It comprised
of an array of element radiators illuminated by a feed
antenna (usually a horn antenna). The feed antenna
provides the feeding mechanism to the array, in order to
eradicate the need for a complex and lossy corporate feed
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network. Therefore, the losses in reflectarray antenna
can be easily optimized due to its simple feeding
mechanism. The feeding is located at the focal distance
of the reflectarray. Usually, the focal distance is evaluated
in focal-length-to-diameter (f/D) ratio. The distance of
the reflectarray and the feed represented by f, while the
longest dimension of the reflectarray represented by D
[3,4]. The occurrence waves coming from the feeding
are reradiated and scattered back with electrical phases
that are required to form a planar wave front in the far-
field distance towards the desired direction. One vital
component of the reflectarray performance investigation
is the unit cell elements have been designed and
characterized accurately [5]. The unit cell element’s
dimensions are responsible to accurately predict the
phase shift required for planar wavefront. The radiation
patterns of the reflectarray antenna can only be estimated
after the unit cell element and the full reflectarray has
been fully characterized and designed. Reflection phase
and reflection loss are two major important parameters
to analyse the performance of reflectarays unit element.
The reflectarray unit element’s reflection loss will have
an impact on the gain of a full reflectarray antenna,
whilst the reflection phase or phase range of the unit cell
corresponds to the bandwidth of the reflectarray antenna
[6]. A complete cycle of phase swing with 360° is
normally considered adequate to design any size of
reflectarray with a good performance [7].

Initially, microstrip unit elements are widely used
to develop reflectarrays antenna due to their good
criteria such as low profile, light weight, flatness, easy
deployment in space, beam steering capability as well
as their low manufacturing cost [8]. Nevertheless, the
conductor loss of the microstrip reflectarray antenna
becomes worse. The reflectarray antenna’s competency
at mmW frequencies of the microstrip unit cell also may
drop markedly. Reflectarray made by dielectric resonator
(DRA) that has small losses and large phase range is
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presented to overcome this problem [9-11].

DRA has been investigated for designing various
reflectarray antennas to obtain high reflection phase
range, and small reflection loss by changing the
length of the DRA or any other one of its geometrical
parameters to present phase variation s to the radiating
unit cells [12]. But the fabrication process will be more
complex when the reflectarray antenna made by different
DRAs sizes. For that reason, the unit cells of DRA
reflectarray also able to be combined alongside several
strip elements like patches, slots as well strips. The
purpose of that is to produce wide band reflectarray or
specifically to expand the bandwidth and concurrently to
ensure the easy fabrication [13-15]. As a consequence, a
full reflection phase range with smooth variation in slope
will be able to be produce practicably. However, a
problem faced by a slot loaded DRA reflectarray was an
electric field that can leak through the under-loading slot
that may lead to a growing back lobe radiation problem.
Meanwhile, the top-loaded microstrip patch DRA
element has a risk of gain reduction due to misalignment
between patch and DRA that may arise because the
microstrip has to install by manual at the upper of the
DRA surface. In another study, a transparent rectangular
DRA reflectarray element with beneath-loaded strip have

been proposed giving a phase range of 316° with reflection
loss of less than 3 dB [16]. Another approach to enhance
the reflectarray element’s bandwidth with large reflection
phase range is by implementing dual-polarized technique
[17-19]. The option of the polarization be able to
accomplish by using square shapes or rectangular shapes
for linear polarization. Whereas circular polarization or
dual polarization can be attained by using circular shapes
or crossed shapes.

Inspired by the mentioned foregoing studies of the
unit elements, the goal of this study is to introduce a
new DRA reflectarray element with a microstrip patch
incorporated underneath the DRA as a phase tuning
mechanism for 5G applications. For the ease of fabrication
purpose, the size of each DRA is always the same. The
only change is made on the microstrip length (Ln). The
focus has been given specifically on attaining large phase
range which is greatly associated to the low reflection
loss and substantial operational bandwidth performance.
The aim is to design a DRA-based reflectarray element
with low reflection loss, wide bandwidth and ease
fabrication for 5G applications.

Il. RESEARCH METHOD

In this work, the frequency band from 24 GHz to 28
GHz has been chosen for design specifications based on
several 5G frequency bands that have been suggested in
[20]. 26 GHz as a resonant frequency has been selected
to design the reflectarray unit element.

The unit elements of the reflectarray nominated in
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this paper made of DRA. The dielectric constant of the
DRA is & = 10. The cross shaped DRA consists of
two rectangular DRA (RDRA) with the same size. The
cross microstrip patch on the other hands is formed by
two identical rectangular patch elements. The resonant
frequency, fo for the RDRA has been calculated by
using the equation (1) that derived from the Dielectric
Waveguide Model (DWM) [21]:

kotan () = (e, — 03— 12, @)

where ko is the free space wave number, h represents
the width in the z-direction and k. represents the wave
propagation number in the z-direction.

The DRA width (W) has been set at 2.40 mm whilst
the DRA length (L) has been set at 8.00 mm. The cross
microstrip patch acts as a phase shifter to adjust the phase
of the unit cell element. On the other hand, the microstrip
length (L) is varied from 1.50 mm to 4.50 mm as the
phase shifting mechanism while the width of microstrip
patch (Wm) has been set at 1.50 mm. Table 1 summarizes
the optimized unit cell design dimensions.

Table 1: Parameters of dielectric resonator reflectarray
antenna unit element

Parameter Value (mm)
L 8.0
w 2.4
H 2.2
Lm Varies from 1.50 to 4.50
W 15

Figure 1 (a) shows the setup of waveguide
simulation for the unit cell element. The proposed unit
cell element is placed at one end (bottom) of the
waveguide and the incident wave from the wave port is
positioned from another end of the waveguide (top). The
unit cell element is simulated with proper boundary
conditions to imitate an infinite periodic structure. The
top and bottom surfaces of the waveguide setup are
interpreted to be perfect electric conductor (PEC) walls,
whilst the other two side walls (left and right sides)
are interpreted as perfect magnetic walls (PMC). The
geometry of the unit cell which is the cross hybrid
DRA is demonstrated in Fig. 1 (b). The unit element’s
substrate is made of a Rogers RT5880 with dielectric
constant 2.2 and thickness 0.381 mm with its ground
laminated on the back surface. This unit cell is a coalition
of a cross shaped DRA and a cross shaped microstrip
patch. The bottom loading patch was chosen as the
tuning mechanism because it can be simply etched using
the technology of standard printed circuit board (PCB).
This method can provide high dimensioning accuracy
and simplifies the tuning process. Moreover, it can also
avoid misalignment problem and fabrication complexity



at once. The. Fig. 1 (c) shows the fabricated cross hybrid
DRA unit cell elements.

Unit cell

Substrate

(@)
L
L V,YmI L. ||W
- mmag
Y b= L -
(b)

©

Fig. 1. (a) The simulation of unit element in periodic
boundary condition and the zoom in for the proposed
Cross hybrid DRA unit element geometry. (b) Top view
of the proposed Cross hybrid DRA unit element. (c)
Photograph of the fabricated Cross hybrid DRA unit
element.

The overall measurement setup is shown in Fig. 2
(a), where the open ended waveguide is used to carry the
parameter measurements of the unit cell elements. The
unit cell under test is placed at one end and the other
end is connected to WR-34 waveguide adapter. The
reflection phase and reflection loss of the unit cell
elements are measured using VNA (Vector Network
Analyzer), which is connected to the waveguide using
coaxial to waveguide adapter of WR-34 adapter as
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shown in Fig. 2 (b). Two unit cell element reflectarray is
fixed into the other aperture of the waveguide simulator
as shown in Fig. 2 (c).

(©

Fig. 2. (a) Scattering parameter measurements of
measurement setup. (b) Coaxial to waveguide adapter
WR-34 connected to waveguide. (c) Unit cell elements
in waveguide aperture.

IV.RESULTS AND ANALYSIS

The proposed cross hybrid unit cell elements with
microstrip patch dimensions underneath the DRA are
constructed and validated as shown in Fig. 1 (c). The
simulated and measured reflection phase and reflection
loss of the cross hybrid DRA reflectarray elements are as
presented in Fig. 3. The unit cell came with various cross
microstrip lengths (Lm). The length is varied to tune the
phase. Based on the results, it is found that 342° phase
variations can be obtained at 26 GHz. The reflection loss
is reasonably small at 1.8 dB.
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Fig. 3. (a) Simulated reflection loss and measured
reflection loss of cross hybrid DRA unit cell, and (b)
simulated reflection phase and measured reflection phase
of cross hybrid DRA unit cell.

In order to show the advantage of the proposed cross
hybrid DRA unit cell, the performance of the cross
hybrid DRA unit cells is compared with similar size of
full substrate unit cells which hold same DRA height and
dielectric constant. This was done to confirm the function
of the cross microstrip patch and the DRA in determining
the resonant frequency and operating principle of the unit
cell. The result comparisons are as shown in Fig. 3 and
Fig. 4. The full substrate configuration is acquired by
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extending the cross DRA size until the walls of the
PEC and PMC unit cell’s waveguide setup. The tuning
mechanism of the full substrate unit cell is the same as
the cross hybrid DRA. To further confirm the advantages
of cross hybrid DRA reflectarray elements, a set of
four full substrate unit cells has also been designed and
fabricated at the same frequency.
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— Lm130mmsimulated
© Lm26 mmsimlsted
Lm 2.85 mmsimulated
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Lm2 85 omsimulated
Lm4.350 mmsinulatad
Lm150 mmmeasured
Lm2.65 smmeasured
Lm23835 mmmeasurd
Lm450 ommeasurad

(b)

Fig. 4. (a) Simulated reflection loss and measured
reflection loss of the full substrate DRA unit cell, and (b)
reflection phase and measured reflection phase of the full
substrate DRA unit cell.



Figure 3 (a) and Fig. 4 (a) depict the comparison
between the reflection loss of the cross hybrid DRA
elements and full substrate DRA elements. The hybrid
DRA shows significantly lower reflection loss compared
to full substrate DRA with difference of almost 5 dB
between both. In term of phase range, the cross hybrid
DRA produces 342° while full substrate DRA produces
slightly lower range of 330°. This can be viewed in Fig.
3 (b) and Fig. 4 (b) respectively. It is proved by phase
range results that cross hybrid DRA unit cell can provide
wider bandwidth than full substrate unit cell. Because,
the resonant frequency of cross DRA is already combined
with the resonant frequency of the cross microstrip patch.
Thus, higher phase range is achieved as compared to the
full substrate structure. The wider phase range correlates
with the enhancement of bandwidth performance of the
cross hybrid DRA.

In summary, the reflection loss of cross hybrid DRA
unit cells is much lower compared to full substrate DRA
unit cells as shown in Fig. 5. A slightly frequency shift
perceived between measured and simulated results. This
may be caused by the adhesive glue used to bond the
DRA and the substrate, which was not considered earlier
in the simulation. The extra loss that clearly unavoidable
at the measurement results is also closely related to the
waveguide simulator, cable and connectors losses.

0

o
=
o -2
7]
o
—
[= -
o v
g 21
]
14
¥
4 v e
———  Cross hybrid DRA
— —¢ —  Full substrate DRA
5 T T T T T T T
1.0 15 20 25 30 35 40 45 50

Length of microstrip, Lm (mm)

Fig. 5. Reflection loss of cross hybrid DRA unit cell and
full substrate DRA unit cell at variable microstrip lengths
(microstrip length as the tuning mechanism).

The bandwidth performance of the reflectarray unit
element can be analyzed from the curves of the reflection
loss. Figure 6 shows the reflection loss curves of
cross hybrid DRA and full substrate DRA unit cells in
frequency range between 24 GHz to 28 GHz. To clarify
the bandwidth of the unit cell, it is determined by moving
10% above the maximum reflection loss value [22].
Table 2 tabulate the 10% bandwidth for the cross hybrid
DRA and full substrate DRA. The table display the cross
hybrid DRA unit cell element gives broader bandwidth
of 498 MHz compared to full substrate DRA unit cell
with narrower bandwidth of 122 MHz.
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Reflectionloss (dB)

4 25 2 Z F ]

Frequency (GHZ)

Fig. 6. Reflection loss curves of cross hybrid DRA unit
cell and full substrate DRA unit cell in frequency range
between 24 GHz to 28 GHz.

Table 2: 10% Bandwidth and reflection loss of unit cells

10% Reflection
Unit Cell Bandwidth Loss
(MH?2) (dB)
Cross hybrid DRA 498 1.32
Full substrate DRA 122 2.05

Figure 7 shows that the phase variation curves for
two different polarizations are almost identical. It proves
that these unit cell elements provide dual polarization
operation. It seems that, only one phase variation is
illustrated in the graph, the other one being symmetric
because of the symmetrical antenna design [1].

Finally, Table 3 summarized comparison between
the proposed approach and previous works. The proposed
cross hybrid DRA unit cell offers better bandwidth
performance, reflection loss and simpler design compared
with other DRA element based structures as listed in
Table 3.

—— Xpolarization
—&— Y-polarization

Reflection phase (degree)

400

1.0 1.5 20 25 30 35 40 45 5.0

Length of microstrip, Lm (mm)

Fig. 7. Reflection phase versus microstrip length at x-
and y-polarization directions of cross hybrid DRA unit
cell.
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Table 3: Comparison between the proposed approach
and previous works

Fre Unit Cell | Unit Cell Desian
Ref. Design (GHC;') Reflection| Phase Com ngit
Loss (dB) [Range (°) piexity
o] | — | 30 - 330 | Mode-rate
[13] 30 - 360 High
[14] 7.5 |Moderate| 313 Low
[16] B | 6 Low 147 Mode-rate
AT
71| .. | 65 | High 316 Low
®——a
[18] | @@= | 93 - 400 Low
Cross [ -
hybrid | |+ 26 Low 346 Low
DRA || L=t |

IV. CONCLUSION

A cross hybrid DRA unit cell with microstrip patch,
which is placed underneath the DRA, aim for easy
implementation and fabrication, has been proposed as
a reflectarray element in order to realize the 5G
requirements of wideband operation. The unit cell offers
low reflection loss and a phase range of almost 360° at
26 GHz, which indicates wide bandwidth performance.
The phase of each unit cell can be adjusted by varying the
length of the cross microstrip. It was also demonstrated
that the cross hybrid DRA structure exhibits better
performance compared to the full substrate configuration.
The further investigations on the use of proposed DRA
unit cell element for high gain reflectarray operation is
under progress.
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Abstract — In this paper, a highly efficient dual-band
transmitarray antenna using cross and square rings
elements is presented for X and Ku bands. The dual-band
transmitarray is designed for downlink/uplink frequencies
of Ku band satellite communications. The transmitarray
element consists of four metal patches and two dielectric
substrates. The metal patch is printed on both sides of the
substrate. By optimizing the parameters, the transmitarray
element can achieve a transmission phase coverage
greater than 360° and work independently in both
frequency bands. Then, a method to select the size of the
element is proposed, so that all the elements in the array
can realize the transmission phase of the two frequencies
as much as possible. A 201-elements transmitarray
antenna is fabricated and measured and the band ratio of
the antenna is 1.13. The measured maximum gain at 11.5
GHz is 22.4 dB, corresponding to the aperture efficiency
is 52.7%. The measured maximum gain at 13 GHz is
24.2 dB, corresponding to the aperture efficiency is
62.4%. The 1-dB gain bandwidths are 9.7% (10.8-11.9
GHz) at X band and 9% (12.6-13.8 GHz) at Ku band.

Index Terms — Dual-band antenna, highly efficient,
transmitarray antenna.

I. INTRODUCTION

TAs the transmitting and receiving device of
wireless communication system, antenna directly affects
the performance of communication system [1-3].
Compared with parabolic antenna, planar array antenna
uses horn antenna to feed, which avoids complex feeding
network. It also has the characteristics of multi-
frequency band, miniaturization, low profile and high gain.
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Planar array antenna includes reflectarray antenna (RA)
and transmitarray antenna (TA). Compared with the
RA [4-6], the feed of the TA and the radiated electric
field are not on the same side, which can completely
eliminate the influence of feed occlusion on the antenna
performance and has a huge advantage in realizing
high-gain directional beam. Therefore, the research of
transmitarray antenna has received more and more
scholars' attention.

Although the research of transmitarray antenna is
relatively mature, it still has the disadvantages of narrow
bandwidth and low efficiency. Therefore, in order to
meet the needs of communication system, it is necessary
to develop dual-band transmitarray antenna. In [7], a
triple-layer dual-band transmitarray antenna using
orthogonal slots was proposed. The band ratio of the
antenna was 1.46 and its 1-dB bandwidth was 7.5% and
4.28% at the center frequency of 12GHz and 17.5 GHz,
respectively. In [8], a multilayer dual-band (20/30GHz)
transmitarray antenna using cross dipole was reported.
The aperture efficiency of the TA was 35% and 50%.
However, the transmission phase of the TA was less than
360°. [9] presents a dual-band, dual-polarised metallic
slot transmitarray antenna. The antenna does not contain
dielectric substrate and consists of only three thin
metallic layers. Due to the high transmission loss of the
TA element, the aperture efficiency of the TA was only
34.0% and 37.2% at 11 GHz and 12.5 GHz, respectively.
A dual-band transmitarray antenna using four-layer
metallic slots was designed in [10]. The band ratio of the
antenna was 1.5 and its aperture efficiency were 52% and
53% at the center frequencies of 12 GHz and 18 GHz,
respectively.

https://doi.org/10.47037/2021.ACES.J.360705

1054-4887 © ACES

852



853

—r
—= 2

17
s Substrate

% y Metal

(@ (b) (c)

Fig. 1. Geometric model of the dual-band TA element:
(a) three-dimensional plot, (b) top view, and (c) lateral
view.

Table 1: Design parameters of the dual-band TA element

Parameter Value
P 9mm
H 1.5mm
H; 1.5mm
L; 8.5mm
L Vary
L3 Lz— 1.6mm
Ly 1.8mm
w 0.6mm

The TA element of different frequency bands were
placed in the same plane by special arrangement so that
the transmitarray antenna could works in both frequency
bands. However, this arrangement will be limited by
the space, the design flexibility will be greatly reduced,
and the coupling between high and low frequency
TA elements is large. Other researches on dual-band
transmitarray antenna were reported in [11-13].

In this work, an efficient dual-band transmitarray
antenna using cross and square rings elements with low
frequency separation is presented. In order to meet the
requirements of satellite communication, the downlink
and uplink frequency of the transmitarray antenna is
11.5/13 GHz, the band ratio of the antenna is 1.13. The
chapters of the article are arranged as follows. Section I
is the introduction of the transmitarray antenna. Section
II is the structure and performance analysis of the TA
element. In Section III, a method is proposed to select
the element parameters so that all the elements in the
array can phase compensate as much as possible in
both frequency bands. The simulation and measurement
results of the TA are also given in Section III. Finally,
Section IV is the conclusion of this paper.

I1. DUAL-BAND TA ELEMENT DESIGN

A. The TA element structure

The traditional dual-frequency TA is designed by
arranging the element of different frequency bands in the
same plane through reasonable space allocation, so that
the TA could work independently in both frequency bands
[11]. However, this design method is limited by space
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and only applicable to antennas with large band ratio.
The TA element proposed in this paper can use the same
structure to work simultaneously in both frequency
bands, which can avoid the problem of the arrangement
of high and low frequency elements. The band ratio of
the TA is only 1.13. The structure of the TA element is
shown in Fig. 1. In order to achieve sufficient transmission
phase range, the TA element consists of four patches and
two dielectric substrates. The patches are printed on
either side of the dielectric substrate. Each patch consists
of a cross and a square ring. There is an air gap between
the two dielectric substrates, the height of which is equal
to the thickness of the dielectric substrates. The relative
permittivity and loss tangent of the dielectric substrate
are 3.5 and 0.0027, respectively.
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Fig. 2. The transmission amplitude and transmission phase
versus Ly: (a) Freq = 11.5 GHz and (b) Freq =13 GHz.

In this design, high frequency electromagnetic
simulation software Ansys HFSS is used to simulate and
optimize the TA element. Master and slave boundary is
selected to simulate planar periodic structural surfaces. In
order to simplify the design and analysis while increasing
the polarization stability of the TA element, the designed
element adopts symmetrical structure in the X and Y
directions. The peripheral size L; of the TA element is
fixed, which can effectively suppress the phase error
caused by coupling effect between the elements. By
optimizing the size of the TA element, the transmission
phase of the element is greater than 360°. The specific size



of the TA element is shown in Table 1. As shown in this
table, the period P of the TA element is 9 mm (0.346 Aiower
at 11.5 GHz and 0.391 Anigher). By using cross and square
rings structures, there are eight adjustable parameters of
the TA element. By optimizing a variety of adjustable
parameters, the phase coverage of TA element can be
greater than 360° and has a good oblique incidence
performance. The period of the TA element are less than
0.5A at both low and high frequencies, so the element has
the advantage of high efficiency.
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Fig. 3. Transmission coefficient versus L2 at different
oblique incidence angles: (a) transmission phase at
11.5 GHz, (b) transmission amplitude at 11.5 GHz, (c)
transmission phase at 13 GHz, and (d) transmission
amplitude at 13 GHz.

B. Transmission characteristic of the TA element
The transmission amplitude and transmission phase
versus L; of the designed TA element in both frequency
bands is shown in Fig. 2. As shown in this figure, the
transmission phase of the TA element is greater than 360°
in both frequency bands. At low frequency, when L, is
greater than 6mm, the transmission amplitude of the
element is always greater than -2dB. At high frequency,
when L, is greater than 6mm and less than 7.9 mm, the
transmission amplitude of the element is greater than -
1 dB. This indicates that the TA element can be used
in the design of dual-band transmitarray antenna. Since
the area of the transmitarray is larger than a few
wavelengths, most of the TA elements in the array are
illuminated by oblique incident waves, the effect of
oblique incidence should also be considered. ¢ is the
angle between the incident wave and the X-axis, 6 is the
angle between the incident wave and the Z-axis. Figure
3 shows the transmission coefficient of the TA element
at different incident angles. As can be seen from the
figure, there is little difference between the transmission
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phase and transmission amplitude of oblique incident
waves (¢ from 0° to 45° and 8 from 0° to 30°) and normal
incident wave. Therefore, all the TA elements in the
transmitarray can be phase compensated using the
transmission phase curve in Fig. 2.
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Fig. 4. Transmission phase distribution: (a) Freq = 11.5
GHz; (b) Freq = 13 GHz.

Fig. 5. Fabricated prototype under measurement in the
anechoic chamber.

III. DUAL-BAND TRANSMITARRAY
ANTENNA DESIGN AND MEASUREMENT

A. Design of dual-band transmitarray antenna
When the TA is in the transmission mode, the
electromagnetic wave radiated by the feed horn
irradiates to each TA element of the TA along different
paths, and the difference of transmission path length
leads to a certain wavelength difference between the
feed horn and each TA element. Therefore, it is
necessary to make corresponding phase compensation
for each element in the TA, so as to realize the far-field

in-phase superposition in the direction of the main beam.

According to the transmitarray theory, the phase
compensation value of each TA element can be
calculated. In the obtained phase value, firstly select the
TA element size that can meet the required transmission
phase at both high and low frequencies. If it cannot be
realized at the same time, the error coefficient of the TA
element needs to be calculated according to equation (1):

e(m,n): Z‘deesired(f;)(m’n)_@achiﬁved(ﬂ)(m,n)‘ ) (1)

i=l,h
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In this equation, (m,n) is the position of the TA element;
Qdesired (fn) and Puesirea (fy) are the transmission phases
of high frequency and low frequency that can desired
specific beam pointing; @uchieved (fn) and Pachievea (fi) are
the transmission phases of high frequency and low
frequency that the TA element can achieved through
parameter scanning. The error coefficient of each TA
element is calculated by equation (1), and the element
size with the minimum error coefficient is selected
to obtain the optimal element. Finally, the dual-band
transmitarray antenna can obtain independent radiation
pattern at both frequencies.
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Fig. 6. The simulated and measured normalized radiation
patterns at 11.5GHz: (a) E-plane and (b) H-plane.
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Fig. 7. The simulated and measured normalized radiation
patterns at 13GHz: (a) E-plane and (b) H-plane.

In the design of transmitarray antenna, the number
of TA elements also needs to be considered. The aperture
efficiency of the array is calculated as follows:

G 474

gap = » ’ Dmux = 7 (2)

G is the measured gain, D, is the maximum directivity,
A is the area of the transmitarray, and A is the wavelength
in free-space. Therefore, the larger the number of
elements, the greater the gain of the array, but the
aperture efficiency of the array may be reduced. In this
paper, a 201-element TA using the proposed TA element
is proposed. The original array consisted of 15%15 cells,
the corresponding aperture area is 135x135mm?. In order
to improve the aperture efficiency of the transmitarray
antenna, six TA elements were deleted in each of the four
corners. The final aperture area of the transmitarray is
1628 1mm?. When the distance between the horn antenna
and the transmitarray is optimal, all elements in the array
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are irradiated uniformly by the horn antenna, changing
the distance will result the decrease of the gain. The
value of focal diameter ratio is generally 0.8-1.5, and the
distance between the horn antenna and transmitarray is
obtained through optimization. Through simulation and
optimization, the distance between the horn antenna and
transmitarray is 165mm(6.35Nower). The corresponding
focal diameter ratio is 1.22. In the whole design of
the transmitarray antenna, the focal diameter ratio is
determined first, and then the appropriate feed horn is
selected. When the focal diameter ratio is too large, the
beam width of the feed horn needs to be narrower and
the beam concentration degree should be higher, so as to
ensure that most of the energy of the feed horn can be
accepted by the transmitarray. Instead, a wide - beam
feed antenna needs to be selected. The feed antenna is a
wideband pyramidal horn antenna. The aperture size of
the horn size is 84 mm*60 mm. The working frequency
range of the horn antenna is 6-18GHz. The operating
frequency of the horn is 14.8dB at 11.5GHz and 15.6dB
at 13GHz. By the calculation of the above theory, the
phase distribution of the transmitarray at different
frequencies is shown in Fig. 4. The corresponding
dimension of the TA element can be obtained through
the transmission phase curve in Fig. 2. By the calculation
of equation (1), the dimensions of all TA elements can
be obtained.
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efficiency versus frequency: (a) X-band and (b) Ku-band.



B. Experimental results

The fabricated transmitarray antenna was measured
in a microwave anechoic chamber, as shown in Fig. 5.
TA is the transmitarray under test, Tx is the transmitting
horn and Rx is the receiving horn. The normalized
radiation patterns of the transmitarray antenna at 11.5
GHz are shown in Fig. 6. The normalized radiation
patterns of the transmitarray antenna at 13 GHz are
shown in Fig. 7. The measured gain is 0.38 dB lower than
the simulation gain at 11.5 GHz. The measured gain is
0.3 dB lower than the simulation gain at 13 GHz. The
differences between the measurement results and the
simulation results are mainly due to the following points:
first, the TA elements size are not as accurate as it should
be in the manufacturing process; second, there are
intrinsic noises in the anechoic chamber; third, the phase
center of the horn antenna is unstable. The measured co-
pol boresight beams in the designed two bands are not
pointed to the desired boresight is mainly caused by the
instability of the dielectric substrate during experiment.

In Fig. 6, the cross-polarization of the E-plane and
H-plane radiation patterns at 11.5 GHz are 28 dBi and 27
dBi, respectively. The sidelobe level of the E-plane and
H-plane radiation patterns at 11.5 GHz are 10 dB and 11
dB, respectively. In Fig. 7, the cross-polarization of the
E-plane and H-plane radiation patterns at 13 GHz are 32
dBi and 29 dBi, respectively. The sidelobe level of the
E-plane and H-plane radiation patterns at 13 GHz are
14.1 dB and 14.5 dB, respectively. This indicates that
the designed transmitarray antenna has good radiation
performance. The measured and simulated gain and
aperture efficiency versus frequency are shown in Fig. 8.
The 1-dB gain bandwidths are 9.7% (10.8-11.9 GHz)
at X band and 9% (12.6-13.8GHz) at Ku band. The
measured aperture efficiencies in 11.5 GHz and 13 GHz
are 52.7% and 62.4%, respectively. Table 2 compares the
performance index of the designed TA with other TAs.
It can be seen from the table that the designed TA has the
characteristics of high efficiency and low band ratio.

Table 2: Comparison of the proposed TA with other TAs

. Aperture Total
Ref. (lg;i') ?dzg)l Efficiency g:ﬁg Element
(%) Number
[9] 11/12.5 |23.74/24.45| 38/34.6 | 1.13 196
[12] | 12.5/14.25| 31/31.8 45/41.3 | 1.14 -
[13] 20/30 24.6/27.2 [36.0/29.0| 1.50 | 1156
This | 11513 | 224042 |52.7/624| 113 | 201
work
IV. CONCLUSION

In this paper, a new transmitarray element was
proposed for the design of dual-band transmitarray
antenna. The transmitarray element structure includes
four-layer cross and square rings. The simulation results
show that the transmitarray element can reach 360°phase
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coverage in both frequency bands and has good oblique
incidence performance. To verify the validity of the
transmitarray element. A 201-element transmitarray
antenna using the proposed element was fabricated and
measured. The measurement results have shown that the
transmitarray antenna has good radiation performance.
At 11.5 GHz, the measured gain and aperture efficiency
were 22.4 dB and 52.7%, respectively. At 13GHz, the
measured gain and aperture efficiency were 24.2 dB and
62.4%, respectively. The 1-dB bandwidth in X band and
Ku band were 9.7% and 9%, respectively.

ACKNOWLEDGMENT

This work was supported by the National Natural
Science Foundation of China (NSFC) under Project No.
61761032, Nature Science Foundation of Inner
Mongolia under Contract No. 2019MS06006, Natural
Science Foundation Youth Fund Project in Guangxi of
China under No. 2018GXNSFBA281124 and China
Scholarship Fund.

REFERENCES

[1] C. A. Balanis, “Antenna theory: Analysis and
design,” IEEE Antennas & Propagation Society
Newsletter, vol. 24, no. 6, pp. 28-29, 2003.

[2] K.D.Xu, H. Luyen, and N. Behdad, “A decoupling
and matching network design for single- and
dual-band two-element antenna arrays,” [EEE
Transactions on Microwave Theory and Techniques,
vol. 68, no. 9, pp. 3986-3999, Sept. 2020.

[3] K.D.Xu,J. Zhu, S. Liao, and Q. Xue, “Wideband
patch antenna using multiple parasitic patches
and its array application with mutual coupling
reduction,” IEEE Access, vol. 6, pp. 42497-42506,
July 2018.

[4] Q. Wang, Z. H. Shao, Y. J. Cheng, and P. K. Li,
“Broadband low-cost reflectarray using modified
double-square loop loaded by spiral stubs,” IEEE
Transactions on Antennas and Propagation, vol.
63, no. 9, pp. 4224-4229, Sept. 2015.

[5] X. Xia, Q. Wu, H. Wang, C. Yu, and W. Hong,
“Wideband millimeter-wave microstrip reflectarray
using dual-resonance unit cells,” [EEE Antennas
and Wireless Propagation Letters, vol. 16, pp. 4-7,
2017.

[6] Q.Gao,J. Wang, Y.Li,and Z. Li, “A multiresonant
element for bandwidth enhancement of circularly
polarized reflectarray antennas,” in IEEE Antennas
and Wireless Propagation Letters, vol. 17, no. 5,
pp- 727-730, May 2018.

[71 S. M. Gaber, H. Malhat, K. B. Awadalla, “Single
feed dual-polarization dual-band transmitarray for
satellite applications,” Radio Science Conference,
pp. 27-34, 2013.

[8] M. R. Chaharmir, A. Ittipiboon, and J. Shaker,
“Single-band and dual-band multilayer transmitarray

856



857

antennas,” 12th International Symposium on Antenna
Technology and Applied Electromagnetics and
Canadian Radio Sciences Conference, pp. 1-4,
2006.

[91 M. O. Bagheri, H. R. Hassani, B. Rahmati, and B.
Rahmati, “Dual-band, dual-polarised metallic slot
transmitarray antenna,” let Microwaves Antennas
& Propagation, vol. 11, pp. 402-405, 2017.

[10] R. Y. Wu, Y. B. Li, W. Wu, C. B. Shi, and T. J.
Cui, “High-gain dual-band transmitarray,” /[EFEE
Transactions on Antennas and Propagation, vol.
65, no. 7, pp. 3481-3488, July 2017.

[11] H. Hasani, J. S. Silva, S. Capdevila, M. Garcia-
Vigueras, and J. R. Mosig, “Dual-band circularly
polarized transmitarray antenna for satellite comm-
unications at (20, 30) GHz,” IEEE Transactions on
Antennas and Propagation, vol. 67, no. 8, pp.
5325-5333, Aug. 2019.

[12] A. Aziz, F. Yang, S. Xu, and M. Li, “An efficient
dual-band orthogonally polarized transmitarray
design using three-dipole elements,” IEEE Antennas
and Wireless Propagation Letters, vol. 17, no. 2,
pp- 319-322, Feb. 2018.

[13] S. A. Matos, E. B. Lima, J. S. Silva, J. R. Costa,
C. A. Fernandes, N. J. G. Fonseca, and J. R. Mosig,
“High gain dual-band beam-steering transmit
array for Satcom terminals at Ka-band,” /IEEE
Transactions on Antennas and Propagation, vol.
65, no. 7, pp. 3528-3539, July 2017.

Yongliang Zhang received the B.S.

and Ph.D. degrees from Xidian
University, Xi'an, China, in 2009 and
2014, respectively. He is currently
with College of Transportation Inner
Mongolia University, Hohhot, China.
His research interests include passive
microwave/milli-meter wave device,
filtering antenna, smart antennas, reconfigurable antennas,
and frequency selective surfaces, electromagnetic
compatibility, meta surface based antenna.

Xiuzhu Lv received bachelor degree
in Communication Engineering
from Inner Mongolia University of
Science and Technology, Baotou,
China, in 2018. From 2018, she
pursued her Master degree in Inner
Mongolia University. Her research
interest are transmitarray antenna
and frequency selective surface.

ACES JOURNAL, Vol. 36, No. 7, July 2021

Jiaxuan Han received the bachelor
degrees of Electronic Information
Engineering from the Henan Poly-
technic University, Jiaozuo, China,
in 2017. From 2019, he pursued
master degree in Inner Mongolia
‘ University. His research interest

include optimization algorithms for
metasurface array, deep learning, and its applications in
electromagnetic modeling.

Bao Shuai received bachelor degree
from Shijiazhuang Tiedao University,
Shijiazhuang, China in 2019. From
2019, he pursued his master degree
in inner Mongolia University. His
research interests include optimiz-
ation algorithms for antenna, deep
learning, and its applications in
electromagnetic modeling.

Yao Cai received bachelor degree
from Northeast Electric Power
University, Jilin, China, in 2019.
From 2019, he pursued his Master
degree in Inner Mongolia University.
His research interests include
electromagnetic metamaterial,
reconfigurable antenna design and

applications.

Zhao Wu was born in Guangxi,
China, in 1987. He received the B.E.
degree  in  Electronic  and
‘\ ‘ Information Engineering and Ph.D.
_ degree in Electromagnetic Fields
! 4 and Microwave Technology from
‘ r f Xidian University, Xi’an, China, in
‘ 2011 and 2016, respectively. From
October 2016 to March 2017, he was with Huawei
Technologies Co Ltd. Since April 2017, he has been
working with College of Physics and Telecommunication
Engineering as a Lecturer, Yulin Normal University. His
research interests include metamaterials, novel antennas,
reconfigurable antenna design and applications.



ACES JOURNAL, Vol. 36, No. 7, July 2021

Dual-polarized Fixed-frequency Beam Scanning Leaky-wave Antenna for 5G
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Abstract — A low profile and dual-polarized fixed-
frequency beam scanning leaky wave antenna for 5G
communication is presented, which is based on a
corrugated microstrip line (CML) called spoof surface
plasmons transmission line. The antenna radiates
horizontally polarized electromagnetic wave and
vertically polarized electromagnetic wave using two
different periodic antennas elements. The fabricated
antenna is measured and the results show that the
operating frequency of the antenna is 3.4-3.7 GHz. The
measured main beam angle scans from -9° to -30°. The
measured gain is from 8.3 dB to 9.7 dB over the
working band.

Index Terms —Spoof surface plasmons, 5G, dual-
polarized, fixed-frequency

I. INTRODUCTION

The commercialization of the fifth generation
mobile communication system (5G) puts forward many
high performance requirements for the communication
system [1]. As a crucial part of the communication
system, the breakthrough of the antenna will obviously
improve the performance of the whole communication
system. The traditional beam scanning antenna usually
uses frequency scanning mechanism or phase shifter to
realize beam scanning, which will inevitably bring the
problem of occupying wide-band spectral resources and
complex feeding network structure, thus increasing the
volume and cost of the whole system [2].

Leaky wave antennas (LWA) have advantages of
high gain, frequency scanning features, and a simple
feeding structure. The combination of metamaterials
and traditional leaky wave antennas results in low
profile, high gain, low cost leaky wave antennas, which
emerged as potential candidates in modern wireless
communication system [3,4]. The metamaterial leaky
wave antennas can be divided into two kinds. One kind
is based on the composite right-/left-handed (CRLH)
transmission line and the other is based on the spoof
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surface plasmons (SPs) [5,6]. By constructing CRLH
transmission line design in the balance, researchers
concluded that CRLH leaky wave antennas can
overcome the open-stopband effects [7,8]. Different
devices based on spoof SPs at millimeter wave and
terahertz frequencies have been demonstrated [9-12].
The spoof SPs LWA can radiate spatial harmonics by
introducing periodic modulations [13-17]. However,
previous metamaterial leaky wave antennas occupy
wide-band frequency resources in the frequency scanning
process, hence most of the above metamaterial leaky
wave antennas are generally designed for satellite
communication (working at high frequency band) or
radar detection to carry out large-angle scanning, which
are not suitable for 5G communication system with
relatively narrow operating bands [18,19]. Therefore,
how to complete beam scanning metamaterial LWA at
fixed-frequency is an important research area.

In recent years, researchers have achieved beam
scanning metamaterial leaky-wave antennas at fixed
frequencies by loading PIN-diodes or varactor diodes
[20-24]. For example, single-polarized fixed-frequency
beam scanning antennas based on spoof SPs have been
proposed [20-21], respectively. However, these beam
scanning antennas still are single-polarized, which does
not meet the requirements of 5G communication system,
since dual-polarized antenna in the communication
system is necessary. Especially in 5G communication
systems, large-scale antenna arrays are generally
adopted, which requires the polarization diversity.
Therefore, the study of dual-polarized fixed-frequency
beam scanning antenna is important [25-26].

In this work, we propose a dual-polarized beam
scanning antenna as shown in Fig. 1. The dispersion
curve of the antenna unit is adjusted by loading a
varactor diode to complete the beam scanning at a
fixed-frequency. The working frequency band is located
in 3.4-3.7 GHz for 5G communication. The maximum
gain can reach 10 dB in the working frequency band,
and the rotation angle at the 3.5 GHz is about 21°.
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Compared with previous leaky wave antennas, the
proposed antenna has the advantages of dual
polarization, low profile and beam scanning at a fixed
frequency.

X-polarized

Y-polarized Matching loads

Fig. 1. A dual-polarized beam scanning LWA.

I1. ANTENNA DESIGN

A. The design of X-polarized antenna

The X-polarized antenna structure with five
modulation periods is shown in Fig. 2. The dimensions
shown in Fig. 2 (a) are od = 13 mm, op = 6od = 78 mm,
w; = 0.6 mm, w, = 2.1 mm, hy = 15 mm, tl; = 0.70d,
and tl; = 0.30d. The groove depths are h; = 3.137 mm,
h, = 13.164 mm, hs = 14.51 mm, respectively. The
schematic of the LWA with sinusoidally modulated
surface impedance is shown in Fig. 2 (b), which is
composed of a corrugated metallic strip line, dielectric
substrate and metallic ground, where the dielectric
substrate is F4B with relative permittivity 3.5 and loss
tangent 0.001. The thicknesses of dielectric substrate
and the metal are 3 mm and 0.018 mm, respectively.
The total length of the LWA is 440 mm.
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Fig. 2. (a) The details of X-polarized antenna, and (b)
the perspective of X-polarized antenna (the dielectric
substrate is transparent).

The radiation principle of X-polarized antenna with
different grooves is that the surface impedance changes
result in the formation of space radiation. The radiated
electric field is always perpendicular to the groove [20].
Hence, the direction of its polarization is along the X-
axis (X-polarized antenna).

According to the leaky-wave antenna theory,
the surface impedance of the antenna is modulated
periodically according to the sine function, as shown in
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Equation (1),
Z,(x)= X, [1+M cos(%”x)l. (1)

where Xs, M, and p are the average surface reactance,
modulation factor, and the modulation period,
respectively.

From the Floquet theorem, the surface wave
propagating on the impedance will excite infinite high-
order spatial harmonics, as shown in Equation (2):

Byp=py+2m, )
where f is the phase constant of the fundamental space
harmonic with N =0 and gy is the phase constant of N-
order.

These higher spatial harmonics can be surface
waves propagating along the surface or leakage waves
radiating into free space. The mode of these high-order
spatial harmonics mainly depends on the modulation
period. The first negative harmonic mode is usually
designed to generate the leaky-wave radiation, whose
radiation angle can be calculated by Equation (3),

O ~sin " (v1+ X" —k27;), 3)
0

where X’ = Xy is the normalized average surface
reactance and ko is the propagation constant of free
space.

The simulated S-parameters and gain are obtained
by using CST. The simulated dispersion curves of
the antenna elements with different groove depths are
shown in Fig. 3. From the dispersion curve, it can
be seen when h = 0 mm (unmodulated spoof SPs
transmission line), the slope of the dispersion curve is
the speed of light and the greater the depth of the
groove is, the lower the cut-off frequency is.
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Fig. 3. The dispersion curves of the antenna elements
with different groove depths.



The simulated S-parameters of the X-polarized
antenna are shown in Fig. 4. It can be seen that the Si;
is below -13 dB at 3.4-3.7 GHz, and the Sy is about
-3 dB, which indicates that the antenna can work at 3.4-
3.7 GHz.
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Fig. 4. The simulated S-parameters of X-polarized
antenna with loaded capacitance of 0.88 pF.

The electric field of the X-polarized antenna is
perpendicular to the groove. Hence, the direction of the
polarization is along the X-axis [20]. The simulated far-
field radiation pattern of the LWA is plotted in Fig. 5,
which shows a narrow beam in E-plane (xoz plane)
plane with low back lobes. The level of the cross
polarization (Y polarization) is also low. By loading
the SMV1430-040LF varactor diode, the X-polarized
antenna can complete beam scanning at a fixed
frequency.

— X polarization
0 — — Y polarization
30

Realized Gain(dB)

180

Fig. 5. Simulated far-field radiation pattern of the X-
polarized antenna at 3.7 GHz with loaded capacitance
of 0.88 pF.
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B. The design of Y-polarized antenna

The radiation principle of the Y-polarized antenna
is different from that of X-polarized antenna. By loading
different capacitors periodically, the Y-polarized antenna
radiates electromagnetic waves into space. The radiation
principle of the antenna with same grooves is that
the surface impedance changes due to different
capacitances. So the electric field of the antenna is
always along the loading capacitance [21]. It is along
Y-axis direction (Y-polarized antenna). The Y-polarized
antenna has seven modulation periods, as shown in
Fig. 6. The geometric parameters shown in Fig. 6 (a)
are td = 9.2 mm, tp = 6td = 55.2 mm, hs = 10 mm, tl; =
0.6td, and tl, = 0.4td.
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Fig. 6. (a) The details of Y-polarized antenna, and (b)
the perspective view of the Y-polarized antenna.

The modulation period consists of six sub-
wavelength units, and these sub-wavelength units
loaded with three identical fixed capacitors and varactor
diodes to periodically change the surface impedance.
The surface impedance modulation principle of Y-
polarized antenna can be equivalent to the triangular
impedance modulation principle as shown in Equation
4):

2M M

jXS(lJFTX_?) ifOSxﬁg
Z,(x) = o (4
sz(l—z—MXJrSﬂ) ingxgp
p 2 2

where Xs, M, and p are the average surface reactance,
modulation factor and the modulation period,
respectively. The surface impedance of the antenna unit
is changed by periodically changing the capacitance,
so the direction of electric field change is always
perpendicular to the groove where the capacitance is
loaded.

The simulation setting of one unit cell of the Y-
polarized antenna is shown in Fig. 7 (a), where periodic
boundary condition (PBC) is used in x direction and
perfect electric conductor condition (PEC) is used in
y direction. The Eigenmode Solver of the commercial
software CST Microwave Studio is adopted. However,
the lumped capacitor cannot be added in the Eigenmode
Solver of CST Microwave Studio. Hence, an equivalent
model is used to take place of the lumped capacitor
in the simulations. The equivalent model consists of
two metallic slabs spaced by a dielectric block. The
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permittivity of the dielectric block can be calculated by
&, =&,-b,-C/(a,-a,), in which C is the capacitance
of the lumped capacitor, and ai, a,, and b, are the
dimensions illustrated in Fig. 7 (a). The simulated
dispersion curves of the unit with different capacitances
are shown in Fig. 7 (b). We can predict the operation
band of the antenna from the dispersion curve.
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Fig. 7. (a) The details of simulation setting, and (b) the
dispersion curves of the antenna elements loading
different capacitors.

The simulated S-parameters of the Y-polarized
antenna are shown in Fig. 8. It can be seen that the Si;
is below -12 dB at 3.4-3.7 GHz, and the Sy is about
-28 dB, which indicates that the antenna can effectively
work at 3.4-3.7 GHz. Compared with Fig. 4, it can be
seen that the Sy performs better in Fig. 8 for the Y-
polarized antenna. That is because that the impedance
changes caused by periodic loaded capacitors are more
drastic than those caused by different groove depths,
which leads to more leaky wave radiation energy of
the Y-polarized antenna. Therefore, the Sy of the Y-
polarized antenna performs better than that of the X-
polarized antenna.

Furthermore, the simulated far-field radiation pattern
of the LWA is plotted in Fig. 9, which shows a narrow
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beam in E-plane (xoz plane) with low back lobes. The
level of the X polarization is also low. By periodically
loading the varactor diodes (MAVR-011020-1411) and
the fixed capacitors (CQ0402BRNPO9BN1R1), the Y-
polarized antenna completes beam scanning at a fixed
frequency.
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Fig. 8. The simulated S-parameters of Y-polarized
antenna with loaded capacitance of 0.15 pF.
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Fig. 9. The simulated far-field radiation pattern of the
Y-polarized antenna at 3.7 GHz with loaded capacitance
of 0.15 pF.

C. The design of dual-polarized antenna

We combine the X-polarized antenna and the Y-
polarized antenna to form the dual-polarized antenna.
The simulated isolation and far-field patterns of the
dual-polarized antenna are shown in Fig. 10. As can be
seen from Fig. 10 (a), the isolation degree of each port
is less than -35 dB. From Fig. 10 (b), it can be seen that
the beam scanning dual-polarized antenna has been
achieved, where the X-polarized antenna and the Y-



polarized antenna are loaded with the capacitance of
0.7pF and 0.24pF, respectively.
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Fig. 10. (a) The isolation of the dual-polarized antenna,
(b) Simulated synthesized far-field radiation pattern of
the dual-polarized antenna.

I1l. REAULTS AND DISCUSSION
The fabricated antenna and its measurement
environment are shown in Fig. 11. The dual-polarized
antenna is shown in Fig. 11 (a). The final dimension of
the dual-polarized antenna is 440 mm x 140 mm x 3 mm.

Fig. 11. (a) The sample of the fabricated antenna, and
(b) the measurement environment.

The simulated and measured S-parameters are
shown in Fig. 12. The higher the operating frequency of
the active device is, the larger the influence of parasitic
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parameters is. The measured Si1 and Sp; vary drastically
from their simulated results, respectively. However,
the trend of simulation result agrees well to that of
measurement result. Both errors are caused by the
inaccurate parasitic parameters of the varactor diodes
and by machining and welding.

(b)
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Fig. 12. The simulated and measured (a) S11 and (b) Sz
of X-polarized antenna with loaded capacitance of 0.68
pF. The simulated and measured (c) Si1 and (d) Sz of
Y-polarized antenna with loaded capacitance of 0.15 pF.

The measured far-field radiation patterns of the
dual-polarized antenna at 3.5 GHz with different voltages
are shown in Fig. 13. It can be seen that when the
voltage changes from 0 V to 5 V, the scanning angle is
from -9° to -30° at 3.5 GHz.

Measured Gain (dB)

180

Fig. 13. The measured far-field radiation pattern of
the dual-polarized antenna at 3.5 GHz with different
voltages.
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The simulated and measured gains of the dual-
polarized antenna are shown in Fig. 14. It can be
seen that the experimental results agree well with the
simulation results. As the parasitic parameters of the
varactor diode model are set to be typical values in
simulation according to the datasheet, the actual values
may be different in the lower frequency band, which
results in that the actual gain at 3.3 GHz and 3.4 GHz is
higher than the simulated gain.
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Fig. 14. The simulated and measured gain of the dual-
polarized antenna.

1V. CONCLUSION

Here a dual-polarized high-gain fixed-frequency
beam scanning antenna for 5G communication is
proposed. By using the surface impedance modulation
technology and loading the active devices, the dual-
polarized antenna can achieve the fixed-frequency
beam scanning at 3.4-3.7 GHz (Suu< -10 dB) for 5G
communication systems.
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Abstract — A novel miniaturized wideband bandpass
filter (BPF) using capacitor-loaded microstrip coupled
line is proposed. The capacitors are loaded in parallel and
series to the coupled line, which makes the filter just
require one one-eighth wavelength coupled line and
achieve filtering response with multiple transmission
poles (TPs) and transmission zeros (TZs). Compared
with the state-of-the-art microstrip wideband BPFs, the
proposed filter has the advantages of compact size and
simple structure. A prototype centered at 1.47 GHz with
the 3-dB fractional bandwidth of 86.5% is demonstrated,
which exhibits the compact size of 0.0034; (4 is the
guided wavelength at the center frequency) and the
minimum insertion loss of 0.37 dB.

Index Terms — Bandpass filter, capacitors, coupled ling,
miniaturized, wideband.

I. INTRODUCTION

Miniaturized wideband bandpass filter (BPF) is
one essential component in the modern wireless
communication system owing to the advantages of
compact size and high date-rate transmissions. So far,
numerous microstrip wideband BPFs have been proposed
based on wvarious structure, including stub-loaded
multiple-mode resonator [1]-[6], stub-loaded coupled
line [7]-[9], cross-coupled multiple-mode resonator [10],
ring resonator associated with open stubs [11]-[12], and
stub-loaded stepped impedance resonator (SIR) [13]-
[16]. However, the filter utilizing the above structures
suffers from the large circuit size (e.g., 0.2714%), which
is mainly derived from the large size of the resonator or
extra loaded stubs.

In order to reduce the size of microstrip wideband
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BPF, quarter-wavelength three-line coupled structure
[17], high-impedance microstrip line with folded stepped
impedance stubs and radial stubs [18], and quarter-
wavelength interdigital coupled SIR [19] are utilized.
The circuit size can be reduced to 0.013/%, 0.009/%, and
0.0064;, respectively, but with a complex structure.

Loading lumped elements can also help reduce the
circuit size of microstrip BPF. For instance, capacitors
are loaded in parallel on the half-wavelength microstrip
coupled line so that a miniaturized differential wideband
BPF [20] can be achieved.

In this letter, four capacitors are loaded in parallel
and series to just one one-eighth wavelength microstrip
coupled line. The filter size can be further reduced, and
the filter structure becomes much simpler. Wideband
filtering response and out-of-band suppression are ensured
by three transmission poles (TPs) and four transmission
zeros (TZs), which are produced and controlled by
capacitances and loading positions of capacitors as well
as the even-odd-mode impedance of the coupled line.
Odd- and even-mode analysis is utilized for theoretical
analysis. One prototype is designed for demonstration.

I1. PROPOSED WIDEBAND BANDPASS
FILTER

The circuit model of the proposed wideband BPF
is exhibited in Fig. 1 (a), which is composed of four
capacitors (C1, Cy, and Cs), one one-eighth wavelength
coupled line with its one end shorted (Z. and Z,, 61+6, =
45°), and two ports (Port 1 and Port 2). C; is loaded in
series to the coupled line. C; and Cz are loaded in parallel
to the coupled line. C; and C; are located at the open end
of the coupled line. The electrical distance between C;
and Cs is 61.

https://doi.org/10.47037/2021.ACES.J.360707
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Fig. 1. Circuit model and even- and odd-mode equivalent
circuits of the proposed wideband BPF. (a) Circuit
model; (b) even-mode equivalent circuit; (c) odd-mode
equivalent circuit.

Yin-odd

The whole circuit is symmetrical to the A-A' plane,
so odd- and even-mode analysis can be utilized. A virtual
open/short appear along the symmetrical plane A-A'
under the condition of even/odd-mode operation. Thus,
the even- and odd-mode equivalent circuits are shown in
Figs. 1 (b) and 1 (c), respectively. The input admittance of
even-/odd-mode equivalent circuits can be extracted as:

. cot(g +6,)]
Yin—even = Cle - % ) (13)
Yin—odd = Cle + ZCZCOJ
22,C,wj+ jtand, — jcoté, (1b)
Z, +(Z,cotd, -2Z *C.wj)tand, '
respectively, where @ = 2xf,
7z f
6,+6,=—— 2
1 2 4 fo ’ ( )

where fo is the center frequency. The reflection coefficients
(S11 and Sz2) and transmission coefficients (Sz1 and Si2)
of the proposed design can be derived as:

2
S-S5y =t mwlhem (g
(Yo + Yinoaa ) Yo * Yin_even)
821 — 812 _ YO (Yin—odd _Yin—even) ’
(YO +Yin—odd )(YO +Yin—even)

where Yo = 1/50 Q1 is the port admittance. According
to Equations (1)-(3), the curves of |Si1| and |Sz| can
be obtained in MATLAB by setting a certain initial
value for Cy, Cy, Cs, 61/62, and Z./Z,. The frequency
corresponding to the extreme point of |Si| curve is the
frequency of the TPs, and the frequency corresponding
to the extreme point |Sx| curve is the frequency of the
TZs. Then, TPs and TZs can be obtained.

(3b)
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Fig. 2. Effect of capacitance values on theoretical
variations of TPs and TZs. (a) Ci changes; (b) C, changes;
(c) Cs changes. (C1 = 1.5 pF, C, = 1.0 pF, C3 = 5.6 pF,
6116, =1 and Z/Z, = 1.6).
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A. Analysis of TPs and TZs

Figure 2 shows how C;, C,, Cs affect theoretic TPs
and TZs. Figure 3 exhibits how 6,/0, and Z./Z, affect
theoretic TPs and TZs. It can be found from Figs. 2 and
3 that TP1 moves upwards when Ci, 61/0,, or Z.Z,
is increased, or C, or Cs is decreased. TP2 moves
downwards with the decrease of Cs or the increase of
Z.Z,, while TP2 moves upwards first then moves
downwards with C;. TP3 moves upwards with the
increase of Cy or Z./Z,, or the decrease of Cy, Cs, or 61/0;.
TZ3 moves downwards when C, or 61/6, increases, or
Z./Z, decreases. TZ4 moves upwards with C.

- TZ1 @ TZ2 A TZ3 =« TZ4

=y TP1 -@- TP2 & TP3

04 06 08 10 12 14 16

61102
(@)
4

I —
31 i TZ1 - TZ2 A TZ3 -4 TZ4

ol ~p- TP1 -@- TP2 -»- TP3

'__.___.__-.——0——0——4
Ob—8—8— = &8 81
13 14 15 16 17 18 19
Ze/Zo

(b)

Fig. 3. Effect of loading position of capacitor and
impedance of coupled line on theoretical variations of
TPs and TZs. (a) 61/6, changes; (b) Z./Z, changes. (C1 =
1.5pF, C2,=1.0 pF, C3=5.6 pF, 01/0, = 1 and Z¢/Z, =1.6).

In addition, the number of TPs changes from three
to two when C,, Cs, 6:1/6, or Ze/Z, is outside a special
range, while the number of TZs changes from four to
three when C; is outside a special range. It can be found
from Figs. 2 and 3 that three TPs and four TZs can be
obtained when selecting appropriate parameters, which
ensures wideband filtering response and enough out-of-
band suppression for the proposed filter.

It is found that TZs will be affected by C, and C; but
not by Ci. This is because C, and Csz could provide
additional transmission paths beside the transmission
path of the coupled line, and the signals on the paths will
be cancelled each other when the phase difference is
(2n+1)180 degrees (n =0, 1, 2...). However, C; doesn’t
provide an additional path so that it will not affect TZs.
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B. Analysis of bandwidth and center frequency

The bandwidth and center frequency can also be
obtained from [Si;| and |Sx| curves in MATLAB. By
this way, the effect of Ci, Cy, Cs, 61/62, and Ze/Z, on
bandwidth and center frequency are exhibited in Figs. 4
and 5, respectively. It can be seen from Figs. 4 and 5
that the bandwidth and center frequency are mainly
controlled by C,, Cs, 61/0,,and Ze/Z,. The 3-dB fractional
bandwidth (FBW) increases when Ca, 61/65, or Ze/Z, is
decreased, or Cs is increased. The center frequency
moves upwards when C,, Cs, or 61/, is decreased, or Z¢/Z,
is increased. In addition, the variations of bandwidth and
center frequency in Figs. 4 and 5 are consistent with
those of the space between the TPs and the position of
TPs in Figs. 2 and 3, respectively.
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Fig. 4. Effect of capacitance values on theoretical
variations of bandwidth and center frequency. (a) Ci
changes; (b) C, changes; (c) Cs changes. (C; = 1.5 pF,
C,=1.0pF, C3=5.6 pF, 61/6, =1 and Z./Z, =1.6).
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It is found that the bandwidth and center frequency
are affected by C, and C3, but not by C;. This is because
C, and C; change the coupling of the coupled line.
However, C; will affect impedance matching because it
will affect the intensity of the electric field at the feed

point.
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Fig. 5. Effect of the loading position of capacitor and the
impedance of coupled line on theoretical variations of
bandwidth and center frequency. (a) 61/6, changes; (b)
ZdlZ, changes. (C; = 1.5 pF, C, = 1.0 pF, C3 = 5.6 pF,
6116, = 1 and Zo/Z, = 1.6).
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Fig. 6. Layout of the proposed wideband BPF.

C. Parametric study

The layout of the proposed wideband bandpass filter
is exhibited in Fig. 6, where the substrate is RO4003C
(er = 3.38, h = 0.813 mm, zan 6 = 0.0027). In order to
further study the performance variation, the parametric
study on C4, Cp, Cs are displayed in Figs. 7 (a), 7 (b) and

7 (c), respectively. Meanwhile, the parametric study on
I, wi, and s; are depicted in Figs. 8 (a), 8 (b) and 8 (c),
respectively. It can be found from Figs. 7 and 8 that the
bandwidth and center frequency are mainly affected by
Cy Cs, I, and s, and the out-of-band suppression is
mainly changed by C;, Cy, and s. The bandwidth increases
when C,, Iy, or s is decreased, or Cs is increased. The
center frequency moves upwards with the decrease of C,,
Cs, Iz, or s. The out-of-band suppression becomes better
when C; is increased, or C; or s is decreased.
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Fig. 7. Simulated responses of the proposed wideband
BPF with (a) Cy, (b) Co, and (c) Cs. (C1 =1.5pF, C; =
1.0pF, C3=5.6 pF, I =6.7mm, w; =0.9 mm, and s =
0.58 mm).
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Fig. 8. Simulated responses of the proposed wideband
BPF with (a) Iz, (b) wi, and () s. (C1 =1.5pF, C,=1.0
pF, Cs =5.6 pF, I =6.7 mm, w; = 0.9 mm, and s = 0.58
mm).

D. Design procedure

According to the above analysis, the design
procedure of the proposed wideband BPF is summarized
as follows:

Step 1. Get initial C;, Cy, Cs, 61/6;, and Z./Z,
according to the variation of TPs and TZs in Figs. 2 and
3, and the variation of bandwidth and center frequency
in Figs. 4 and 5.
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Step 2: Convert the theoretical 6:1/6, and Z¢/Z, to the
dimensions of the coupled line.

Step 3: Obtain final Cy, Cy, Cs, I, wi, and s in Ansoft
High Frequency Structure Simulator (HFSS) by slightly
tuning them according to their variation in Figs. 7 and 8.

I1l. PROTOTYPES AND RESULTS

Based on the above analysis, a prototype is
implemented with the target of 3-dB FBW of 87% and
the center frequency of 1.5 GHz. The final parameters
can be obtained from the design procedure and are
shown as follows: C; = 1.5 pF, C, = 1.0 pF, C3 = 5.6 pF,
Wo = 1.85 mm, wy = 0.9 mm, lp = 8.0 mm, I = 13.7 mm,
I, = 4.85 mm, and s = 0.58 mm. The photograph of the
proposed wideband BPF is exhibited in Fig. 9 (a).

Figure 9 (b) demonstrates the simulated and
measured results of the proposed wideband BPF. The
fabricated filter works at the center frequency of 1.47
GHz, which exhibits the 3-dB FBW of 86.5% with a
minimum insertion loss of 0.37 dB. Four TZs are loaded
at 0 GHz, 0.65 GHz, 2.52 GHz, and 5.09 GHz, while
three TPs are loaded at 0.98 GHz, 1.37 GHz, and 1.89
GHz. The overall size of the proposed design is 15.3 mm
x 2.38 mm (0.139/4 x 0.02244 = 0.00343).

Table 1 lists the performance of this work and the
state-of-the-art designs. Compared with the reported
microstrip wideband BPF, the proposed design has the
advantages of compact size and simple structure.
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Fig. 9. Photograph and simulation and measured results
of the proposed wideband BPF. (a) Photograph and (b)
simulation and measured results.
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Table 1: Performance comparison between previous
state-of-the-art wideband bandpass filters and the
proposed design

Ref. | fo(GH2) |:|33\;\(/j ?’/o) NTUPN;?Terz:f ﬂEZ?ELOQ) Size (1)
[1] 288 | 79.33 5/5 094 | 0271
[7] 3.0 70 5/6 049 | 0217
[9] 6.0 67.8 5/6 13 0.084
[10] 6.85 791 617 081 | 0238
[12] 1.91 52.4 213 03 0.021
[13] 6.9 115.9 716 NA. | 0.256
[16] 3.0 80 213 05 0.013
17 | osss 87 318 066 | 0.009
[18] 1.0 5019 | 412 0.64 | 0.006
This work|  1.47 86.5 34 037 | 0003

V. CONCLUSION
A wideband BPF based on capacitor-loaded one-
eighth wavelength coupled line is proposed. A compact

size of only 0.003/Z and simple structure can be achieved.

Theoretic analysis and parametric study are introduced
to guide the practical design. It is believed that the
proposed wideband BPF is able to promote the
development of the miniaturized wideband wireless
communication systems.
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Abstract — A low profile ultra-wideband tightly coupled
dipole array is studied. The antenna elements are fed by
Marchand baluns of small size and low cost. A meta-
surface based wide-angle impedance matching (MS-
WAIM) layer is introduced to replace the traditional
dielectric WAIM, improving the beam scan performance
and reducing the antenna profile. The simulation shows
that the proposed antenna array can operate over 2.4-12.4
GHz, approximately 5:1 bandwidth with maximum
scanning angle of 50° for both E plane and 45° for H
plane. The antenna profile above the ground is only
0.578\+ at the highest operating frequency. This antenna
array can find its application in the forthcoming massive
MIMO beamforming systems for 5G.

Index Terms — Meta-surface, phased array, tightly
coupled dipole array, ultra-wide band, wide angle
scanning.

I. INTRODUCTION

Wide-band antenna array has received extensive
research over decades due to their important roles in
military use, including remote, radar and electronic
warfare [1],[2]. With scan ability, they make it possible
to real time track object quickly; By producing
multi-beams, multi-object task could be carried out
simultaneously. For another side, to attain high data rates
and large capacity, the next generation system (5G) plans
to exploit frequency band below 6GHz (so called sub
6GHz band), which can provide spectrum covering 2.5
to 2.7 GHz, 3.3 to 3.8 GHz and additional frequencies
between 4.4 to 5GHz [3]. The 5G also intent to use phase
array technology to overcome interference problem,
improving the signal transmission direction. However,
the application of conventional phase array, such as
slots array and microstrips array is confined by some
shortcomings, including narrow bandwidth, limited

Submitted On: February 7, 2021
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scanning angle etc. [4].

Vivaldi antenna has been regarded as good candidate
for ultra-wideband (UWB) antenna. Numerous studies
were made during the past three decades, leading to
Vivaldi array that achieve bandwidths over 10:1 at wide
scans [5]. With excellent performance, Vivaldi antennas
array has already been put into practice. However, this
taper slot array suffers from some drawbacks such as
high profile and high cross-polarization, which limit its
further application requiring compact structure and low
cross-polarization [6].

Mutual coupling is always a major concern in the
design of traditional array antenna since it can degrade
the efficiency as well as radiation patterns of the
antennas, therefore many efforts have been made to
reduce the undesirable coupling between array elements
[71.[8]. On the other hand, tightly coupled dipole array
(TCDA\) has drawn more and more attention since Munk
et al published the first prototype in 2003 [9]. In contrast
to the traditional antenna array, the elements of TCDA
are placed so closely, that the resulting strong capacity
can compensate the inductance introduced by ground
at the low frequency band [10]. TCDA is proved to be
feature with low profile and low cross-polarization level
comparing with Vivaldi antenna array [11]-[13], hence
they are believed to have promising application of
the future UWB antenna. One major challenge for the
realization of TCDA is the design of an equally wideband
feed network, which not only provide impedance
transformation but also transition from unbalance to
balance feeding [14]-[18][15]. Another challenge faces
the designers is that the bulky dielectric WAIM, which
is usually An/4 [10][13], rising both the profile and the
cost of the antenna array.

In this paper, a low profile ultra-wideband tightly
coupled dipole array is studied. The antenna elements are
fed by Marchand baluns of small size and low cost. A

https://doi.org/10.47037/2021.ACES.J.360708
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meta-surface based wide-angle impedance matching
(MS-WAIM) layer is introduced to replace the traditional
dielectric WAIM, improving the beam scan performance
and reducing the antenna profile. The simulation shows
that the proposed antenna array can operate over 2.4-12.4
GHz, approximately 5:1 bandwidth with maximum
scanning angle of 50° for both E plane and 45° for H
plane. The antenna profile above the ground is only
0.578\+ at the highest operating frequency. This antenna
array can find its application in the forthcoming massive
MIMO beamforming systems for 5G.

1. EQUIVALENT CIRCUIT ANALYSIS

The concept of TCDA could be traced backed to
current sheet array (CSA). As shown in Fig. 1 (a).
horizontal dipoles are placed periodically in array, where
the distance between the adjacent elements is very small
[14]. With the resulting strong capacitance, the array
supports currents at wavelengths which significantly
exceed the scale of individual element. To achieve uni-
directional radiation, ground is introduced beneath the
array. In the view of circuit, inter-element capacitance
in associate with dipole inductance can counteract the
reactance brought by the ground, thus broaden the
bandwidth.

Figure 1 (b) presents the equivalent circuit for
TCDA. In this schematic diagram, we denote dipole
inductance by Laipote, the inter-element capacitance by
Ceoupling- The substrate, superstrate, and free space layers
are indicated by transmission line sections. Generally,
the input impedance of TCDA is 100-200Q, which
brings a great challenge to the design of impedance
matching network (conventional source is 50Q).

: % 3
)
oy NZ,, 1 B.,h,

’:’ r M] ﬁ.um h.mh
Zrcpa Z, =
(b)

Fig. 1. (a) TCDA consisting of capacitively coupled
dipole elements, placed above a conducting ground plane,
and (b) equivalent circuit for the TCDA.
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I11. STRUCTURE DESIGN

A unit cell of the TCDA fed by a 150 Q lumped gap
source is placed at distance of h above the ground, as
shown in Fig. 2 (a), where the dipole is printed on the
bottom of Rogers RT5880 dielectric slab (£=2.2)
thickness of 0.5mm. There is small gap between the ends
of the dipole arms (presented by dash line in the caption),
bringing in strong coupling of adjacent elements, while
the patch on the top of the dielectric slab is used to
reinforce the capacitance. An electronically thick (t=An/4)
layer with low permittivity is placed above the antenna
for wide band tuning, though at the expense of increasing
the weight and cost of the antenna array.

(b)

Fig. 2. (a) TCDA with dielectric MAIM, and (b) TCDA
with Meta_surface MAIM.

An adaptation is introduced to improve the situation,
the bulky superstrate is substituted by a thin dielectric
slab (Rogers RO3033, &=3) with meta surface, as show
in Fig. 2 (b). The meta-surface is comprised of small
circular patches with cross slots in the center. It is
worth noting that the lattice spacing of meta-surface
is considerably smaller than that of the dipole array
[16]. Thereby the meta-surface can be regarded as
homogenized, in other words, a single relative permittivity
in the case of a dielectric WAIM slab [19]. Similar to
FSS, meta-surface could be treated on a Floquet mode by
mode basis during analysis with multimode equivalent
network, and when the array is fed, a sequence of Floquet
modes will be excited. Accordingly, the Zy, in the
equivalent circuit of Fig. 1 (b) should be replaced by
meta-surface impedance Zw, comprising a series Floquet
impedances,

Zy = ZmZnZWmn'
All impedances are function of polarization, scan



angle (6,¢). To prevent surface wave, there is an air layer
between the superstrate and the dipole slab. In practice,
foam plate is usually used to realize such suspension
structure.

The proposed meta-surface WAIM is simulated in
associated with TCDA, as shown in Fig. 2 (b). To focus
on meta-surface WAIM and give a concise analysis,
feeding system is not included in the model in the primary
design. For comparison of the performance, the same
TCDA is also simulated with conventional dielectric
superstrate. Full-wave simulations are carried out with
commercial software CST, and to ensure accuracy of
the simulation, we adopt frequency domain solver as
tetrahedral mesh can provide better fitting for realistic
model. The boundaries are set as periodic for x and y
direction, open space for z direction, the dimension of the
unit cell, the ground plane height and the dipole scale are
set the same and kept constant for both arrays. It’s noted
that the TCDA with the proposed meta_surfance WAIM
could provide better frequency/ angular response.

Figure 3 presents the simulated input impedance for
both TCDAs, including broadside, 45° scan in E and H
plane. It manifests that the impedance curves of array
with meta-surface are more confined to the center of the
smith chart, comparing with that of array with dielectric-
loaded array, indicating better matching and wider
bandwidth during scanning. Specially impedance
matching is more difficult for beam scanning in the H
plane than in other planes, because increasing Floquet
modes are excited, leading to detune of the array [20].
It’s observed that the introduction of meta suface

WAIM alleviates this detuning (see blue line in the chart).

Nevertheless, it should be noted that vertically oriented
feed-lines, which will be introduced in the following
section, also have different response to Floguet modes,
therefore they can provide additional degrees of freedom

to the design of the TCDA, and improve the performance.

—— Broadside
—— Eplane-45
1i —— H plane-45°
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-1i
(b)
Fig. 3. S11 of the TCDAs with: (a) conventional dielectric

superstrate, and (b) meta-surface WAIM, for broadside,
E plane 45° and H plane 45° scan.

(b)

Fig. 4. lllustration of the TCDA with: (a) conventional
dielectric MAIW and Marchand balun, and (b) meta-
surface MAIW and Marchand balun

Feed and matching network for TCDA should carry
out two jobs: impedance transformer and unbalanced
to balanced feeding. As mentioned before, the input
impedance of the TCDA is 150Q, which is much larger
than conventional 50Q excitation. For another side,
dipoles must be fed differentially, whereas practical feed
networks, such as 50Q coaxial line, fall into unbalanced
transmission line category. Marchand Balun with taper
feeding line is suggested to serve as feeding system for
the TCDA, as shown in Fig. 4. The Marchand balun is
composed of coupled quarter-wave transmission lines
printed on one side of the dielectric slab (Rogers RT5880,
&=2.2, thickness=0.5mm), while the taper feeding line
together with a short circuit line printed on the other side
of the slab [21]. To realize more compact structure, the
straight feeding line is adapted to meandered line and by
doing so the profile of the TCDA will be reduced.

Similarly, two models are studied: vl is the
combination of conventional dielectric loaded TCDA
and the feeding balun mentioned above, as shown in
Fig. 4 (a). v2 is similar with v1, only that the dielectric
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superstrate is replaced by meta_surface MAIW, as shown
in Figs. 4 (b) and (c).

All the scheme parameters mentioned above are
given in Table 1.

Tablel: Parameters of the antenna (mm)

Parameter |Value| Parameter | Value | Parameter | Value
hsup 6.3 C1 0.8 N 1.8
st 0.5 tmeta 0.5 R 4
h 10 hgap 3 \Y 14
d 12.5 Wslot 0.2 T 5.6
al 0.6 Rc 15 Y 1.55
a2 1 U 15 C2 0.01
b 2.5 W 0.4

The simulated active reflection coefficients of the
two models are presented in Fig. 5 (2), indicating that
at broadside model v2 achieves approximately 5.42:1
impedance bandwidth (2.4-13 GHz) for active S1:<10,
which is better than that of vl (2.3-12GHz), meaning
meta-surface WAIM with lighter and thinner substrate,
is totally competent to counteract the reactance of
TCDA, broadening band width effectively. What’s more,
comparing with v1, v2 enjoys more compact structure
(0.578An above the ground), reducing the profile of the
TCDA.

-5 —— v1 broadside 4
~——— v2 broadside

15+ i

254 J

Active Reflection Coefficient (dB)

'30 T T T T T 5 T i T T T T
2 3 4 5 6 7 8 9 10 11 12 13 14
Frequency(GHz)

(a)
15 L) L} L} L} T L} L} L) L] L)
104 E Plane with meta_sur 6=50° ]
— = E Plane without meta_sur 0=50°
51 —— H Plane with meta_sur 6=45°
0- — = H Plane without meta_sur 0=45° |}
g

Reflection Coefficient (dB)

- - - - - —— —— -
2 3 4 5 6 7 8 9 10 11 12 13
Frequency (GHz)

(b)
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(©)

Fig. 5. Simulated active Si1; of v1 and v2: (a) for broadside,
(b) different scan angles for E/H plane, and (c) total
efficiency for v2 while scanning into the E, H plane.

Modern phase array theory suggests that, the array
suffers from impedance mismatch as the beam scans off
the broadside direction. Specially, the element resistance
alters with cosf and 1/ cosf in the E plane (TM
polarization) and H plane (TE polarization), leading to
the degradation of transmitted power [22]. As Fig. 4 (b)
shows, when the beam goes in the E plane and scans up
to 500, there is very limit difference between the two
models, though the impedance width for v2 is a little
wider than that of v1, being 2.4-12.4GHz with active
S11<<-6. However, when it comes to scanning in the H
plane, meta-surface MAIW manifests itself in improving
impedance match. It can be observed that as the scan
proceeds in H plane, and reaches 6=45°, active S;1 for v1
surges dramatically, exceeding -6dB over the majority
of the operating frequency band. In contrast, active Si1
for v2 is significantly lower and less than -6dB within
the whole operating frequency band, this is because
the meta-surface WAIM provides capacitive reactance,
which compensates inductive reactance introduced by
dipole array backed by a ground plane, hence broaden
the TCDA impedance width efficiently. The efficiency
of model v2 for both broadside and scanning cases are
presented in Fig. 5 (c) The efficiency was showed to be
no less than 60% while taking into account mismatch losses.

An 8x8 array of proposed unit cell v2 is also
simulated. Figure 6 presents theoretical aperture limit
(4n D/A?) calculation as well as the full-wave simulation
with CST. It can be observed that the theoretical aperture
limits(4nD/A?) calculated of the array of theoretical gain
limit is almost in consistent with the gain of the array
from CST prediction. 3D radiation pattern of the array
for 3GHz, 6GHz and 8GHz are showed in Fig. 7. It can
be seen, as the length of the dipoles at high frequencies
is approaching to half wavelength, the side lobes level at
these frequencies is high.
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Realized Gain(dBi)
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Fig. 6. Theoretical aperture limits calculation and CST

prediction of the array for 8x8 of v2. Fig. 7. Radiation pattern of the 8x8 array of proposed

unit cell v2 working at: (a) 3 GHz; (b) 6 GHz; (c) 8GHz.

Prop.Dir. i 1V. CONCLUSION
0 0s2 A low profile ultra-wideband tightly coupled dipole
72 array is studied. The antenna elements are fed by
oy Marchand baluns of small size and low cost. A meta-
e surface based wide-angle impedance matching (MS-
254 WAIM) layer is introduced to replace the traditional

dielectric WAIM, improving the beam scan performance
and reducing the antenna profile. The simulation shows
that the proposed antenna array can operate over 2.4-
12.4 GHz, approximately 5:1 bandwidth with maximum

scanning angle of 50° for both E plane and 45° for H
l_—_-:y plane. The antenna profile above the ground is only

0.578\H at the highest operating frequency. This

(@) antenna array can find its application in the forthcoming
dBi massive MIMO beamforming systems for 5G.
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Abstract — As a convenient and efficient public
transport system, high speed railway (HSR) was rapidly
deployed in China. Since the fifth generation (5G)
mobile communication system is commercially applied,
it is necessary for mobile terminals antennas to cover
multiple operating bands to be compatible with various
communication systems. Here a HSR-mounted broadband
and high-gain monopole antenna is proposed. By using
the meander technology and introducing the tapered
structure, the proposed antenna operates over a bandwidth
of 694-960 MHz and 1350-5975 MHz (VSWR<1.8),
which covers both 2G-5G mobile communication and
WiFi frequency bands. The dimensions of the proposed
antenna are 400 mm x 330 mm x 78 mm. The measured
average gain is 6.11 dBi over the entire bandwidth.

Index Terms —5G, antennas, broadband, high-gain,
High Speed Railway (HSR).

I. INTRODUCTION

As a fast and convenient public transportation
means, high-speed railway (HSR) has attracted a lot
of attention in recent years [1]. On the one hand, the
surrounding environment of HSR is much more
complicated than other scenarios [2]. On the other
hand, communication interruption caused by handover
failures could seriously degrade the users’ quality of
service because of frequent handovers in wireless
communication system for high-speed trains [3].

At third generation (3G) era, existing railway
broadband communication systems were mainly
suitable for low mobility environment and low data rate
transmissions [3]. The railway network coverage mostly
depends on both urban and rural base stations, which
can meet the needs of users when the train runs with
low speed and the data rate is low. However, there
would be increasing handovers and drop-offs due to
high mobility of 350-500 km/h [4]. Besides, the signals
could suffer severe penetration loss when coming
through the carriage body made of aluminum and
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stainless steel [5]. Traditional mobile communication
networks could not fulfill the increasing users’
requirements at 4G era [6]. Hence, massive multiple-
input multiple-output (MIMO) beam forming and
distributed antenna system were used to solve the above
problems [7-9]. A dual-antenna in distributed antenna
system [2], MIMO antennas system [4], efficient
multiple-group multiple-antenna (MGMA) scheme [10],
and linearly located distributed antenna system [11]
are presented for HSR. However, multiple antennas
increase the complexity of the system. One kind of
potential solution was proposed by using a relay station
mounted outside the train to communicate with base
stations [1]. The relay station consists of a train-
mounted relay antenna communicating with the base
station and a WiFi AP where the mobile station signal
can be converted into WiFi signal. The communication
system is shown in Fig. 1, where radio signal penetration
loss and the coverage problem can be avoided, because
radio signals do not need to penetrate into/from the
carriages. The 5G mobile communication system is a
good choice for huge traffic volume of wireless data
service. The train-mounted antennas of the relay station
need cover wide frequency band or multiple operating
bands to be compatible with various communication
systems, to cover both 2G-5G mobile communication
and WiFi frequency bands. Besides, wide beam width
of the antenna is also necessary to keep the stable link
between the relay station and the base station.

The most widely used 2G-5G frequency spectrum
in the world today is 700 MHz, 800-900 MHz, 1800-
1900 MHz, 2100 MHz, 2600 MHz, 3.5 GHz and 4.9
GHz. Recently, 700 MHz was allocated to China
Broadcasting Network Corporation Ltd. (CBN). By
using 700 MHz, the investment of 5G network
deployment would be saved, because it will use fewer
base stations for its large-area network coverage. In
addition, the 700 MHz frequency also offers good signal
penetration through buildings, basements and elevators.
Hence broadband antennas which can simultaneously

https://doi.org/10.47037/2021.ACES.J.360709
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cover multiple service bands are in great demands [1],
especially covering 700 MHz. Furthermore, to extend
the radio transmission distance, the use of high-gain
antennas is important [12, 13]. Vehicle mounted
antennas for vehicle-mounted VHF/UHF communication
system [14], vehicle-to-everything (V2X) communication
[15], and car-to-car (C2C) communication [16, 17] have
been designed. However, antenna in Ref. 14 operates
from 80 MHz to 600 MHz, the gain of the antenna in
Ref. 16 is very low, and Ref. 17 needs two antennas
to realize broadband. A top-mounted train antenna
operating in the bands of 825-960 MHz, 1.7-2.7 GHz,
and 5.7-5.9 GHz by loading an asymmetrically folded

branch was proposed [18], but it cannot cover 700 MHz.

Dedicated antennas for HSR applications are rarely
presented [19].

Group handoff

Train-mounted , _ .
broadband antenna |

- - ———————

N -
In train

L

Fig. 1. Communication system by using a relay station
mounted outside the train.

In this paper, we propose a train-mounted broadband
and high-gain monopole antenna. The dimensions of
the proposed antenna are 400 mm x 330 mm x 78 mm.
By using the meander technology and introducing the
tapered structure, the simulated results of the antenna
achieved the desired performances. This antenna can
operate over a bandwidth of 694 - 960 MHz and 1350 -
5975 MHz (VSWR< 1.8), which cover the 2G-5G and
Wi-Fi communication bands. The measured average
gain is 6.11 dBi over the entire bandwidth.

LI, XU, QIAN, AND ZHOU: TRAIN-MOUNTED BROADBAND MONOPOLE ANTENNA

I1. ANTENNA DESIGN

The original structure is a monopole antenna
placed on the ground plane, which is illustrated in
Fig. 2 (a). The monopole antenna includes a vertical
radiating part, a horizontal metal strip, and a vertical
metal strip shorted to the ground plane. The main
radiating part is a tapered structure which can
implement wideband characteristics. The final structure
is Antenna D which can be seen in Fig. 2 (d).

Fig. 2. (a) initial antenna A, (b) antenna B, (c) antenna
C, and (d) antenna D.

Figure 3 shows the simulated VSWR of the initial
antenna A and antenna B. It can be seen that the initial
antenna A can operate at wideband frequencies, not
including the frequency band from 1.69 GHz to 2.8 GHz.
By loading a rectangle slot (shown in antenna B), the
impedance matching over the band from 1.69 GHz to
2.8 GHz was obviously improved, which can be verified
by the current distributions at 2.0 GHz, illustrated in
Figs. 3 (b) and 3 (c). However, the VSWR s still larger
than 2.0 at the frequency band.

a Antenna A f.-"l’_ @‘t:‘m“‘\‘.
8 — — Antenna B S ; k‘ 11 et
4
z |
~4
2
%1 3 3 4 5

Frequency (GHz)

Fig. 3. (@) Simulated VSWR of the initial antenna A
and antenna B, (b) the current distribution of initial
antenna A at 2.0 GHz, and (c) the current distribution of
antenna B at 2.0 GHz.
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By loading a rectangular branch (shown in antenna
C), the impedance matching around 2.0 GHz was
further improved, as shown in Fig. 4 (a), where it can
be seen that VSWR is smaller than 2.0 at the frequency
band from 1.69 GHz to 2.8 GHz, which has been
verified by the current distributions shown in Figs. 4 (b)
and 4 (c). Furthermore, the VSWR at the lower stop-
band was increased.

5 B0
(a) — = Antenna B| <=
4 Antenna C || Alm
1.0
& 31
z
»n
> 24
0.5
1.
0 250y
0 “10.0

Frequency (GHz)

Fig. 4. (a) Simulated VSWR of antenna B and antenna
C. (b) and (c) Current distributions of antenna B and
antenna C at 2.0 GHz.

However, the central frequency of antenna C at the
lower stop-band needs further adjustment. Antenna D
shown in Fig. 2 (d) can operate at lower stop-band by
loading a comb-like structure. The lower stop-band is
from 960 to 1350 MHz, as shown in Fig. 5 (a). It can
be seen that the operating frequency of Antenna D is
from 694 to 960 MHz and from 1350 to 5975 MHz
when VSWR < 1.8, which has been verified by the
current distributions at 900 MHz illustrated in Fig. 5 (b)
and Fig. 5 (c). From the surface current shown in Fig.
5(c), it can be seen that the comb-like structure reduces
the effect of attenuating current cancellation. And the
simulation setting for solving dispersion curves of comb-
like structure is shown in Fig. 5 (d), where periodic
boundary condition (PBC) is used in x direction and
perfect electric conductor condition (PEC) is used in the
other directions.

The detailed structure of Antenna D is illustrated in
Fig. 6. And the dimensions of Antenna D shown in
Table 1. The fabricated antenna is shown in Fig. 6 (d)
(the material is copper), whose thickness is 2 mm.

I11. RESULTS AND DISCUSSION

The simulated VSWR and gain are obtained by
using CST. The measured VSWR and gain are
shown in Fig. 7. From Fig. 7 (a), it can be seen that the
simulated operating frequency is from 694 to 960 MHz
and from 1350 to 5975 MHz (VSWR < 1.8) and the
measurement results agree well with the simulation
results. From Fig. 7 (b), we can see that the measured
gain is a little lower than the simulation results. The
simulated average gain is 7.67 dBi over the entire

ACES JOURNAL, Vol. 36, No. 7, July 2021

bandwidth. The measured average gain is 6.11 dBi over
the entire bandwidth.

T l@
44 = = Antenna D

Antenna C

VSWR

323 4 3
Frequency (GHz)

(d) - = PEC boundary

periodic
boundary

L.

Fig. 5. (a) Simulated VSWR of antenna C and antenna
D, (b) and (c) current distributions of antenna C and
antenna D at 900 MHz, and (d) the details on simulation
of comb-like structure.
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(b) . Iy .;

;,
I5
ws We

TR

wy

Fig. 6. () 3D perspective view, (b) side view, (c) side
view, and (d) the sample of the fabricated antenna.
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Fig. 7. Simulated and measured (a) VSWR and (b) Gain
of Antenna D.



Table 1: Dimensions of the antenna D

LI, XU, QIAN, AND ZHOU: TRAIN-MOUNTED BROADBAND MONOPOLE ANTENNA

|5 |6 |7 |8 |9

Parameters Iy I, I3 I
Unit (mm) 17 65 72 23 36.6 15.7 29.6 38 25
Parameters W1 W3 W3 Wy W5 Wg W7 Wsg Wy
Unit(mm) 2 22 5 14 45 6 13 39 5
The simulated and measured far-field radiation
patterns of Antenna D at 1.0 GHz and 5.0 GHz are shown 1.0
in Fig. 8 (a), Fig. 8 (b), respectively. It can be seen that 0.9 -
the measured results agree well with the simulated results. 0381
)
— — — Simulated E plane Simulated H plane £0.79 4 gy Q15
—--— Measured E [[))lane — - — - Measured H [[))lane .g 064/ - = ;;E:La::g
(a) £ !
10 ] =059 1
g s I
0 A =041,
. i
A | 0.3 ,
i 0.2
-22.5{180 0.1 ; T T
. 0.5 3 4 6
-10 Frequency (GHz)
0 g Fig. 9. Simulated and measured efficiencies of antenna D.
10
Table 2: Comparison of the related researches
Ref. |[Dimensions (mm)|Bandwidth (MHz)| Gain
10 (b) [14] | 630 x 630 x 220 80 - 600 /
] [15] 87 x 60 690 - 7000 /
0 698-2700 | 15dBi-
[16] |  120x52 5000-6000 | 4.4 dBi
-15 3 698 - 960
1 [17] 40 x 40 x 60 1700 - 2700 /
-32.5 {180 5100 - 6000
3 825 - 960 .
-15 1 [18] | 116 x40 x 1.6 1700 - 2700 4§2g2d dBB'i'
5700 - 5900 )
9 3 698 - 960
10 1 1710 - 2170 .
270 [20] / 2400 - 2700 58d dBéi'
3400 - 3700
Fig. 8. The simulated and measured far-field radiation 4900 - 5935
patterns at (a) 1.0 GHz and (b) 5.0 GHz. This 694 - 960 Average:
work| H7*82x38 | 4350 5975 | 7.67 dBi
The simulated and measured efficiencies of Antenna
D are shown in Fig. 9. It can be seen that the measured IV. CONCLUSION
results agree well with the simulation results above Here a broadband, low-frequency, high-gain

1.35 GHz. The measure efficiency above 1 GHz is larger
than 80%. However, the efficiency from 694 to 960 MHz
is a little low, which is larger than 43.5%.

The performances of the proposed antenna are
compared with other antennas in Table 2. Compared
other works, Antenna D can realize broadband (cover
700 MHz) and high gain simultaneously.

monopole antenna for HSR is proposed. The measured
average gain is 6.11 dBi over the entire working
bandwidth. By using the meander technology and
introducing the tapered structure, the proposed antenna
operates over a bandwidth of 694-960 MHz and
1350-5975 MHz (VSWR<1.8) covering 700 MHz, GSM,
LTE, and Wi-Fi communication systems, which can be
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mounted on the top of the train for 5G communication.
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Abstract — Implantable biomedical applications arise
the need for multi-band sensors with a wideband
frequency channel for RF energy harvesting operation.
Using a separate antenna for energy harvesting can
simplify device circuit complexity and reduces operation
frequency bands interference. This paper demonstrates
the design of single chip with two separate integrated
antennas for implantable biomedical applications. The
two antennas have different structures with orthogonal
polarization to achieve low mutual coupling and
negligible interaction between them. The first antenna is
a multi-band meander line (MBML) designed for multiple
channels data communication, with quad operating
bands in the MM-wave range from 22-64 GHz with area
1150 x 200um?. The second antenna is a wideband dipole
antenna (WBDA) for RF energy harvesting, operates in
the frequency range extend from 28 GHz to 36 GHz with
area 1300x250um?. The proposed antennas are designed
by using high frequency structure simulator (HFSS) and
fabricated by using UMC180nm CMOS technology
with total area 0.55 mm2. The MBML frequency bands
operating bandwidths can reach 2 GHz at impedance
bandwidth <-10 dB. While, the WBDA antenna has gain
-2 dB over the operating band extend from 28 GHz up to
36 GHz. The antenna performance is simulated separately
and using the human-body phantom model that describes
layers of fats inside body, and shows their compatibility
for in body operation. Die measurements is performed
using on wafer-probing RF PICOBROBES and shows the
matching between simulation and measurement values.

Index Terms — Implantable antenna, Multi-Band
Meander-Line (MBML), on-chip antenna, radio frequency
energy harvesting and UMC 180 pm CMOS, Wideband
Dipole Antenna (WBDA).
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I. INTRODUCTION

Currently, promising implantable systems have
been proposed for healthcare monitoring and remote
sensing to improve the lifestyle of the patients. UWB
frequency bands are applied for implantable devices as it
enables high data rate and multiple frequency channels
for multimode operation [1-5]. Recently, MMW range is
described as a complementary imaging technique instead
of exposure of patient to radiations as magnetic resonance,
X-Ray or Ultrasound [6-8]. The antennas depend on
5G technology to meet the capacity, latency and the
bandwidth requirements to support the request of the
growing number of wireless communication users [9-
10]. Besides, antenna and associated electronics could
be designed to support multiple frequency channels for
data communications of a group of implantable sensors
simultaneously, with the need for a wideband frequency
channel for RF energy harvesting to obtain a suitable
power level for device operation [11-14]. Figure 1 shows
the energy/power required for device operation can
be obtained using energy harvester/wireless powering
transfer from external source to be applied to the
implantable devices in different locations in-body.
Different types of on-chip implantable antennas are
described in the sub GHz range and MMW range [15-20].

Simultaneous data communication mode and RF
wireless powering mode using same antenna and
matching network [21-22] where the antenna toggles
between the two communication modes, the data mode
and power mode, but this needs special control technique
to fulfil continuous switching between both modes. To
reduce circuit complexity, the modes of operation can be
split up by using two separate antennas, one is used for
data communication (for multiple sensors) while the
other operates for RF energy harvesting. In this paper,

https://doi.org/10.47037/2021.ACES.J.360710
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two separate integrated antennas on the same chip are
proposed to be used for self-powering implantable
biomedical devices. The antennas are designed for data
communication and energy harvesting simultaneously,
with two different structures are designed, a multiband
meander line antenna (MBML) and a wide-band dipole
antenna (WBDA), with no radiation coupling occurs.
The MBML resonates at the 22, 36, 48, 60 GHz, such
that it is suitable for multiple sensing applications, while
the WBDA operates from 28 GHz-36 GHz to perform
the wideband required for energy harvesting. The 3D
configuration of the proposed antennas shown in Fig. 2,
is fabricated using UMC 0.18um CMOS technology
with 6-Metal layers. As implantable devices are affected
by the permittivity of human tissues which causes signal
losses, antenna design should consider the human-body
effect during antenna design as wireless transfer between
the on-body device and the external electronic circuits.
For human activity monitoring, the implant is set to be
below the human scalp or embedded in the muscle [23].

RF Energy Harvesting/Wireless

( ) Power transfer

Fig. 1. RF wireless powering for different implantable
devices.

In this paper, the chip is assumed for implantation in
the fat layer of the human body. Phantom model is used
to investigate the antenna signal transmission in the
human body layers even in the presence of perturbations
such as embedded muscle layers and blood vessels.
Different sensor antenna are implemented in a chip 180
nm CMOS technology for radio frequency (RF) energy
harvesting to increase the lifetime of the internal
batteries or feed another system [30].

The paper sections are organized as follows; Section
2 shows detailed explanation of the proposed antennas
configuration. In Section 3 the simulation and
measurement performance of both antennas. In Section
4, the proposed antenna simulation using human-phantom
is performed to investigate antenna compatibility with
implantable applications. Finally, conclusions of the

paper are shown in Section 5.

1. ANTENNA CONFIGURATION AND
DESIGN

Different shapes of on-chip integrated antennas are
shown, as dipole [17], [24], [25], loop [18-20], zigzag
[26], [27], and bowtie antennas [28], [29]. This is due to
their circuits have differential input / output. The design
of the two balanced antennas are utilized to obtain the
benefits of the on-chip ground plane used to improve
antenna radiation efficiency. Two different shapes of
antennas are used to seeking different wireless
applications, one for the data communication antenna
and the second for wireless powering antenna integrated
on the same chip with separate connecting PADS as
shown in Fig. 3. The polarization of both antenna are
linear polarized and there are orthogonal located to each
other to reduced coupling between them. The chip is
fabricated by using UMC 180nm CMOS process with
silicon substrate and six metal layers. In this section,
design and simulation for each antenna is demonstrated.

A. Data communication antenna

It is a multi-band meander line (MBML) implemented
at 2 stacked layers to increase antenna total length-located
at metal layers M6 and M4 as shown in Fig. 3. A layer of
metal M1 is set as a ground plane to enlarge bandwidth
with area of 1525um X 250pm with four connections to
the four ground PADS. Each meander layer — whether at
M, and Mg — has a finger line width 15um, length 1150pm
and line spacing 20pm between each two fingers. The
meander structure at Mg layer has five fingers while the
meander structure at My layer has only four fingers as
shown in Fig. 2. The two layers have the same alignment
but shifted 17.5um, to increase number of resonance
frequency bands. Five PADS are used with area
80umx60um for each and separated by 150pum. One of
the PADs is connected tom the upper meander layer M6 to
be used as signal PAD and the others are used as ground
PADs. The MBML has a 50ohm line connection with
signal PAD. The two meander layers are connected
through via 1.

'X

Fig. 2. The 3D configuration of MIMO.
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150um
e —

250um

1100pum

1525um

250um

Fig. 3. Data communication of system muti-band meander
line and dipole antenna.

B. RF energy harvester antenna

Figure 3 shows the structure of the wideband dipole
antenna used for RF energy harvesting. It is composed of
three layers, a dipole layer, a patch layer, and a ground
plane. The dipole consisting of a half wavelength radiating
dipole implemented at the upper metal layer Mg with
total area 1300pumx250um. The patch layer is carried
out in the intermediate metal layer M, with area
1100pmx50um. This middle patch layer acts as a
parasitic element to broaden the antenna bandwidth.
A ground layer is set at the M layer with area
1300umx250um. The patch layer is stacked to the
dipole by VIAL. The signal and ground PADs (with area
80umx60um) are separated by 150um. The ground M;
layer is connected to the Ground PAD by VIA2. The
proposed dipole antenna with patch layer is set to
reduce the resonant frequency and increase the antenna
bandwidth. The corresponding reflection coefficient
response for both antennas is shown in Fig. 4 (a), where
|S22| (as dashed blue line) represents the MBML response
while |Si11| (as black line) represents the WBDA. The
green line explains the neglected coupling between
both antennas. Current distribution at different tuning
frequencies on both antennas’ surfaces are shown in
Fig. 5. The highest magnitude of current represents the
corresponding element of radiation.

I11. ANTENNA MEASUREMENTS RESULTS

The measured antenna S-parameters are carried out
by using cascade probe station on top with Anritsu Vector
Network as shown in Fig. 6. The measured reflection
coefficient is achieved by using on-wafer probing. The
measurements setup shown in Fig. 6, composed of one
GSG 70 GHz PicoProbe-RF probe (pitch: 150 pm) and
Anritsu Vector Network analyzer up to 70 GHz. The
UMC180nm setup die (miniasic 1.525 mm x 1.525 mm)

ACES JOURNAL, Vol. 36, No. 7, July 2021

is fabricated and fixed at PM5 KarlSuss manual probe-
station.
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Fig. 4. (a) Scattering parameters versus frequency of the
proposed antennas, and (b) input impedance real and
imaginary.

The fabricated photo of the proposed antennas are
shown in Fig. 6 with four ground PADS connected to the
ground metal layer My, the extra PADS have no effect on
antenna performance but are added due to measurements
concerns. To ensure the reliability and accuracy of
measurements; the proper fixture is applied. The die is
fixed on the probe-station holder using vacuum pump
while the GSG probe and the positioner are held by a
manipulator that has magnetic fixture to ensure accurate
contact between the die and the GSG probe. The other
measurement problems that could be cause uncertainty
of measurements [29] which is avoided by using a
calibration substrate at the beginning of the measurements
to ensure accurate calibration for the complete setup
(network analyzer, cabling and probe) whenever it
produces a reading different than the standard. Besides,
before each measurement experiment the VNA was
calibrated using (the open short, through calibration kit).
Figure 7 (a) shows the comparison between the simulated
and measured reflection coefficients |Si11| of the double
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meander antenna. However, the |Sii| of the different
dipole length is shown in Fig. 7 (b). The comparison
between simulated and measured results showed that
there are a good agreement between the lower and the
upper of the operating frequencies’ antenna bands. There
are some ripples in the measured results and there are
about —3 dB shift in the measured reflection coefficient
results. These errors could be attributed to metal holder,
which are not considered and many factors as the
thickness of the layer, metal holder was not considered.
In addition, uncertainty in the dielectric material
properties are specified up to 15 GHz while the simulated
dielectric material properties of the layer were identified
up to 70 GHz. As well as the influence of larger wafer
with the chuck and the uncertainty in the dielectric
material properties. In the simulations, these values have
been used for the characterization of the structure at 70
GHz. Table 1 shows the radiation pattern of the MBMA
at different resonant frequencies. While table 2 shows
the simulated polar radiation pattern for the WBDA
antenna at three resonant frequencies 28 GHz, 32 GHz
and 32 GHz, respectively.

Isurf [&/m]
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. 1. 975GEE+EEE
1. 256EE+EEE
I b, 25EHE-BE1
8, 855 E+a8E
Fig. 5. Current distribution of the two antennas at

different tuning frequency: (a) 22 GHz, (b) 28 GHz, (c)
30GHz, (d) 34 GHz, (e) 44 GHz, and (e) 62 GHz.
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Fig. 6. (a) Photo of the fabricated antennas, and (b) the
reflection coefficient measurement setup.
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Fig. 7. Comparison of the proposed antennas measured
and simulated of |S11]: (a) DBMA and (b) WBDA antenna.
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Table 1: The 2D polar radiation pattern =— without human-body, - - = with human-body at different resonant frequencies
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V. HUMAN-BODY PHANTOM MODELING

To validate the performance of the proposed
antennas for implantable applications, phantom model is
used to simulate the implanted antenna and evaluate
its performance to be used in-body environment. The
specific absorption rate (SAR) is important factor that
show that if these antennas are safe or not on the human
body. SAR factor depend of the electrical field radiation
and conductivity of the human tissues. According to
IEEE standard it should be the SAR over 1g and 10 g of
tissue of less than 1.6W/Kg and 2 W/Kg, respectively.
Figure 8 shows the homogeneous multilayered model
with a dimension of 80 x 40 x 63 mm? used to model
human tissue [30]. The values of electrical properties are
tuned around 40 GHz, the implanted depth in skin layer
is 2 mm. inside the human body. The resonant frequencies
are reduced and the operating bandwidths are broaden.
The results as shown in Fig. 9 for both proposed antennas
showed that when the human body effect is included in
the simulation, the antenna impedance matching is more
significant for the chip implanted. Moreover, the phase
of the reflection coefficient was slightly changed when

the chip is placed outside a human body, and it was
abruptly changed when the antenna was implanted in
the human body. The changed results of the antenna
performance are due to the conductivity of the human
body, which adds extra load on the antenna surface and
changes in the electrical properties of the substrate.
However, when the chip is implanted in the human body,
it became more dispersive and the operating bandwidths
at —10dB (VSWR < 2) were extended from 20 GHz to
45 GHz and from 57 GHz up to 65 GHz as shown in
Fig. 9. However, in both simulation scenarios, the
antenna bandwidth still operated in the selected bands
of operations. The packaging proposed antenna are
done by light-weight polymer-based materials that are
biocompatible, RF-transparent, easy-to-process, and
low-cost. On the other side the embedded antennas have
a peak broadside power density of —60 dBW/m? at a
distance of 1 m. For an isotropic radiator with a transmit
power of 1 W, the power density at a distance of 1 m is
equal to —11 dB W/m?, and for the embedded patch with
a gain of —50 dB the power density would be equal to
—61 dB W/m?.
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Fig. 8. (a) Simulation model of proposed antennas system, (b) outside the human phantom, and (c) inside the human
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Table 3: Comparison of the proposed antenna with other on-chip antennas

Ref. [15] [16] [17] [18] [19] [20] This work
Type Dipole Spiral Slot Loop Loop Loop Meander/Dipole
Freq | 915 MHz 24/60 GHz 0.9 Ghz 60 Ghz 434 MHz 67GHz 22/ gg/;flgaczmz
Gain -56 dB -9/-1dB -90dB -3.2 dBi 16.45 dB 8dBi -20/-15/-10/-1dBi
BW 26MHz 180/700MHZ 53% 5.5GHz -- 4GHz 5/6/4/8GHz
Area | 252mm? | 0.794mm? | 0.385mm? | 2.25 mm? | 2.56 mm? | 0.875mm? 0.55 mm?
Tech 0.13um 0.13pum 0.18 pum 0.18 pm 0.18 um 0.18-um 0.18-pum
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The main drawback of such antennas design is the
short communication range, which makes very hard
reading process for the patient. As well as it is effect on
the radiation efficiency due to the strong coupling of
the near field components to the encapsulation of the
antenna and electromagnetic absorption in the body
tissues [30]. Which it could not to maintain a continuous
communication link between the capsule and the external
receiver. Table 3 tabulates different types of CMOS
antennas operated at different frequencies; at high
frequencies the gain is almost about -2 dB.

V1. CONCLUSION

This paper described two antennas integrated on
the same- chip for implantable biomedical applications.
Two separate antennas are designed with orthogonal
polarization to ensure neglected mutual coupling between
them. The first antenna (MBML) is used for data
communication with multiple resonance frequencies at
22 GHz, 34 GHz, 44 GHz and 62 GHz.

The other antenna (WBDA) has a wideband from 28
GHz up to 36 GHz and used for RF Energy Harvesting.
The antennas are fabricated using UMC 180nm CMOS
technology with total area 0.55 mm2. Measurements for
both antennas - gain and bandwidth - are matched with
design and simulation results. The proposed antennas
are simulated using phantom model to check their
compatibility for implantable devices.
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Abstract — This paper presents a low-profile, high gain,
beam-tilted continuous transverse stub (CTS) array
antenna at W-band. The antenna compromises 32
radiating slots and is fed by a parallel plate waveguide
(PPW) network with a linear source generator. To deflect
the outgoing beam, the principle of linear array scanning
is adopted to design inverted T-type structure in each
stub to introduce wave path difference. PPW network
allows the antenna to obtain lower profile compared to
other transmission lines. The design procedure, and the
antenna characterization are described. The main beam
of the antenna is titled 12 degree in H-plane. The
simulation and measured results show that this antenna
achieves peak gain of 32.4 dB and a 12 degree beam tilt
angle at 99GHz. S11 parameters of the antenna is less
than -10 dB in a broadband from 96 GHz to 103 GHz.
This antenna has an advantage of miniaturization over
other high-gain antenna solutions. The promising
performance of this proposed CTS antenna reveals the
possible candidate for Millimeter wave (MMW)
telecommunication applications.

Index Terms — CTS array antenna, pillbox, W band.

1. INTRODUCTION

Millimeter wave (MMW) technology is becoming
increasingly attractive in the future of telecommunications.
Stringent requirements are imposed on the antennas
which not only need high gain but also require a titled
beam. We can refer to several solutions to try to satisfy
these previous requirements such as classical parabolic
systems and electromechanical scanning planar antenna
arrays [1]. However, the parabolic systems are bulky,
and its size is too big to flexibly move on the platform,
while the high requirements manufacturing precision of
electromechanical scanning planar antenna arrays leads
to high cost [2,3]. Therefore, it is necessary to study a
miniaturized, low-cost MMW antenna with high gain
and tilted beam.

Due to the attractive performance and manufacturing
stability, Continuous Transverse Stub (CTS) array
antennas can be considered as good candidates for

Submitted On: March 3, 2021
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advanced antenna systems. The profile of CTS array
antennas can be reduced at lower cost and radiation
performance could be improved [4]. The CTS array
antenna was first proposed in the early 1990s [5-8],
which is evolved from the parallel-plate waveguide. In
1998, Chu of EMS Lab used the Floquet mode method
[9] to analyze the radiation theory of CTS array antenna
and perfect its basic theories. The main structure of a
CTS array antenna is a one-dimensional (1-D) array of
parallel-plate waveguide with parallel lateral openings.
The electromagnetic waves are radiated from the
parallel-plate waveguide and the impedance can be
optimized by adding series of stubs. Over the past two
decades, the CTS array antenna has evolved many types
and been applied in various fields, such as True-Time-
Delay (TTD) CTS and Multi-channel Video and Data
Distribution Service (MVDDS), etc. [10]. Moreover, the
increasing number of stubs can enlarge the antenna
gain. In such a way, CTS array antennas have the ability
to improve performance in high gain and broadband
conditions. On the other hand, the increasing demand
for satellite telecommunications and radar applications
stimulate the increasing development of waveguide-
based CTS array antenna, such as coaxial-waveguide
type [11,12], coplanar-waveguide type [13,14] and
rectangular-waveguide type [15]. However, those CTS
antennas in conventional configurations adopt normal
radiation. That is, when there needs an azimuth angle-
between the antenna’s normal direction and the target, a
titled beam that deviates from the normal direction of the
antenna plane would be required.

Motivated to design a low-profile and beam-tilted
CTS array antenna at W-band, a 32-slot CTS array
antenna and 12 degree beam deflection angle working in
the frequency band of 96-103 GHz is proposed. The
antenna is fed by a pillbox, whose structure has a lower

profile compared to the multiplexed power split structure.

The impedance transformers in the design are introduced
not only for the feeding network, but also for the
radiation stubs. This method can optimize the return loss,
reduce the size of the entire antenna and improve the
antenna efficiency through structure and parameter

https://doi.org/10.47037/2021.ACES.J.360711
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optimization. The radiating stubs of 32 slots are adjusted
which are based on the principle of linear array scanning
to contain an inverted T-type structure for realizing
an azimuth-angle inclination. The final thickness of
the antenna is 30 mm and can be further reduced by
dielectric filled (parallel plate waveguide) PPW feeding
network. Measurements of antenna performance are very
promising and reveal the possibilities of CTS array offers
for MMW communication applications.

I1. ANTENNA DESIGN

Among all antenna structures, CTS array antennas
are very different from other types of planar array
antennas in the field of radiating realization, coupling
mechanism, transmission-line properties, and feeding
network [15]. Figure 1 illustrates a typical CTS array
antenna structure, realized by a wide and continuous
array of short transverse radiating stubs. CTS array
antenna is of limited height, extending from the upper
conductive plate of an open parallel plate transmission
structure, internally excited by a linear source. These
stubs interrupt the longitudinal current component
within the parallel plate transmission structure and
effectively couple and radiate propagating energy from
the parallel plate structure into free space as a linearly
polarized wave.

— m—  —  —

radiating stubs ‘

wave port

e
parallel plate transmission structure

Fig. 1. Typical cross-sectional view of a CTS array.

In order to achieve a low-profile and high-gain CTS
array antenna with an angle of beam inclination, the
number of radiating stubs required is significant, all
parts of the antenna need to be simulated and tolerance
analysis according to principle of phased array beam
control [16]. As shown in Fig. 2 (a), the CTS array
antenna proposed in this paper consists of two main
parts: The CTS array (CTS radiation stubs and parallel
plate waveguide network) and a linear source generator.
The CTS array contains 32 radiating stubs which are
connected to the end of the power divider, the pillbox
structure effectively reduces the overall height of the
antenna by using an embedded two-dimensional (2-D)
parabolic reflector. The beam emitted by the CTS array
antenna is at a fixed declination to the antenna's normal
direction, the application scenario rendering of the CTS
antenna proposed in this paper is shown in Fig. 2 (b).
Details of the CTS array antenna proposed in this paper
are shown in Fig. 2 (a), inverted T-type structure is the

ACES JOURNAL, Vol. 36, No. 7, July 2021

reason for the tilted beam of the antenna. The overall
size of the CTS array antenna is 60mm * 60mm * 30mm,
which mainly compromises the CTS array and the linear
source generator.

/)
“ waveguide

pillbox H-plane horn

Linear source generator
(a)
Normal

. i Beam
direction

direction

CTS
antenna A

///////%é///{;/
(b)

Fig. 2. Perspective view of the CTS array antenna: (a)
Front view and (b) application scenario rendering.

A. The CTS array

As shown in Fig. 3, the CTS radiating stubs which
are composed of 32 sections attach to the parallel plate
waveguide network. The reflection coefficient of the
radiation stubs depends on the width of stub (a), the array
spacing (d) and dielectric constant of filled material
within an operational frequency range. In order to achieve
a good impedance match for broadband transmission, the
radiating stubs are fed with the same amplitude and
phase by the parallel plate waveguide network which
consists of a parallel 1-to-32 power divider [17].

The beam inclination angle can be achieved by
using an inverted T-type structure [18]. In such a way,
the inverted T-type structure in this paper has been
designed to steer the antenna beam to 12 degree in the
azimuth plane. Phased array scanning and positioning
are used here. For phase-controlled scanning of the beam
in space, each radial array element is connected to a
variable phase shifter. Inverted T-structure creates a
wave path-difference between adjacent radiating stubs.

In the direction of deviation from the antenna
normal to & degree, the phase difference between the two
adjacent array elements:

@, =2ndsin01 A, Q)
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where d is the width of two adjacent periodic stubs, A is
the wavelength at the center frequency. It is caused by
the wave path-difference of the target echo. Due to the
nonzero phase difference between the array elements, the
antenna normal direction of each array element of the
radiation field strength cannot be summed, such that the
antenna normal direction is no longer the direction of the
largest field strength. In the direction of deviation from
the antenna normal to € degree, the maximum value is
obtained by adding the field strengths in the same phase,
and the beam direction changes from the array normal to
the direction of deviation from the antenna normal to
degree. By changing the phase difference @g between
neighboring cells in the array, we can have a titled beam
at 6, which can change the direction of the antenna beam.
Then, the wave path-difference can be calculated as:

dz =dsiné. 2
This will give the wave path-difference as needed.

radiating
stubs

,,,,,,,

parallel plate
waveguide network

Fig. 3. Perspective view of the CTS array.

As shown in Fig. 4, every node of the parallel plate
waveguide network is composed of an E-plane T-section
and a multi-stage matching step. A multi-stage matching
step based on Chebyshev impedance transformation
theory [19] is designed, and the final size is determined
in accordance with simulation and optimization.

The final array consists of 32 radiating stubs, and the
original array spacing is set as A/2 (A is the wavelength
at the center frequency). The center frequency of the
design is 99 GHz (corresponds to a wavelength of 3mm
in vacuum). The dimensions of stubs is illustrated in
Fig. 5 (a). By setting fc=99 GHz, the stub width
a<ama=M2=1.502mm. On the other hand, as discussed
in [19], for a given width of two adjacent periodic stubs
d, the real part of the active slot impedance Zact in the
H-plane of a CTS array increases when a decreases. The
active slot impedance of an infinite CTS array with this
value for (d+a) has been computed for different slot
widths, approaching its upper bound of (d+amax), by
using the numerical model presented in [19]. Each active
impedance is normalized with respect to the characteristic
impedance Zo=nalw of a PPW line having its height
equal to the slot width a and a unitary length w, where
n is the free-space impedance. Bringing back to the
numerical model presented in [19], calculation results
demonstrate that for (d+a) = 1.5 mm, the imaginary part
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of the slot active impedance experiences limited variations
and in low resistance. Therefore, the stub width a is set
as 0.66amax = 1 mm and d =0.5 mm. According to the
mathematical model used to calculate d, the wavelength
difference between two adjacent radiating stubs dr is set
to 0.104mm. As shown in Fig. 5 (a), after analysis of the
simulation results, the best impedance matching is
achieved when the inverted T-type structure is set at
0.76mm from the top of the radiating stubs and the length
is 0.64mm. The equivalent circuit diagram of the end of
the radiating branch with the inverted T-type structure
added is shown in Fig. 5 (b). Phase difference between
adjacent radiating stubs at the Y-port due to the difference
in signal transmission distance

As shown in Fig. 5 (c), the E-plane T-section is a
classical power divider in PPW technology associating
to a quarter wavelength transformer, so the input and
output ports have the same characteristic impedance and
width (0.7 mm). The quarter-wavelength transformer of
width 0.5 mm is used to halve the impedance value at the

output ports before joining the section with width 0.36 mm.

inverted T-type structure

multi-stage matching step
and E-plane T-section

Fig. 4. Cross-section view of the CTS array.

Vil d a
0.76
0.64
R’ 08
R R
Y
(a) (b)
multi-stage
matching step

—————————————————————————

| By
< OI 10.36
0.7
ey square
P wstep

(©)

Fig. 5. E-plane cross-sectional view: (a) inverted T-type
structure; (b) inverted T-type structure’s equivalent
circuit; (c) E-plane T-section. All dimensions are given
in millimeters.
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B. Linear source generator

The selection of feeding network is crucial. Existing
feeding network contains a combination of a power
divider and a radiator, pillbox, lens array, etc. [20]. There
are two combinations (vertical and horizontal methods)
to connect a power divider to a radiator. The horizontal
method allows for lower profile compared with the
vertical one, but both approaches are difficult to be
used in a broadband application for the complexity and
bandwidth limitation of the power divider. The attractive
characteristics of pillbox are low-cost, compactness and
miniaturization [21]. In order to achieve low profile and
low cost, a pillbox is used in this paper. In the pillbox,
various modes exist between the two plates according
to the distance between parallel plates [22]. The pillbox
supports free propagation of a principal wave (TEM-
mode) in which the electric vector is normal to the plates,
and the velocity of propagation and the wavelength are
the same as in free space. TE and TM modes are also
possible in a pillbox, which correspond to the modes in
a rectangular waveguide [23].

As shown in Fig. 6, the linear source generator
consists of a pillbox and an H-plane horn. The pillbox
generates a linear source to excite the parallel plate
waveguide network. The H-plane horn is fed by a
standard WR-10.0 waveguide. The horn is located in the
focal plane of the 2-D parabolic reflector. The H-plane
horn and the pillbox are placed in the parallel plate
waveguides and are same in height. Figure 7 shows a
top view and a cross-sectional view of the linear source
generator. It is made by two stacked PPW lines and
a long slot with a width of 2.3 mm coupled through
a spherical crown. The 2-D parabolic reflector in the
common metal plate is contoured between the two PPW
lines with the distance of 0.51 mm. As Fig. 7 (a) shows,
the pillbox couplers designed here have the following
parameters: the diameter of the pillbox length, denoted
as D, the focal length of the parabola, denoted as F, the
focal horn aperture as shown in Fig. 6. To match the
parallel plate waveguide network, the diameter D is
equal to length L (shown in Fig. 3) of the CTS radiating
stubs. Once the parabola diameter has been selected, the
focal length F and the focal horn aperture are to be
chosen together [24]. In this work, we set the diameter
D =19.84=60mm and the focal length F =15.2A=46 mm
together with a horn width of 10.32 mm. Finally, a 90
degree bend with a stair-step height of 0.46mm connects
the pillbox transition to the input port of the corporate-
feed network after a three-layer decreasing rectangular
waveguide structure. The three-layer decreasing
rectangular waveguide structure can filter out high sub-
modes in the structure.
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Fig. 6. 3-D view of the linear source generator.
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Fig. 7. (a) Top view and (b) cross-sectional view of the
linear source generator. All dimensions are given in
millimeters.

I11. RESULT

The designed CTS array antenna was simulated
by ANSYS Electronics Desktop HFSS 19.0. Based on
the parameter optimization of CTS radiation stubs and
waveguide feeding network, the results meet the design
requirement of antenna.

The antenna in this paper is realized by gold-plated
copper. An efficient method based on separate module



fabrication and screw assembly is used to simplify
the fabrication process. The standard method of
manufacturing hollow the CTS array and the pillbox
relies on an expensive joining or brazing process and
connecting the pillbox to the CTS array. The processed
antenna is shown in the Fig. 8.

Fig. 8. Top view of antenna prototype.

The S-parameters and directional maps of the
processed antenna are measured and also are compared
with the simulation results. We use the Agilent N5227A
PNA network analyzer and a set of WR-10 (75-110 GHz)
VNA extenders to characterize the device transmission
and using the method of rotating the antenna to test
antenna pattern. The good agreement between the
simulation and measurement is shown as following.
Figure 9 (a) shows the simulation and measured results
of the antenna reflection coefficient. The operating
frequency band is 96 GHz to 103 GHz (relative working
bandwidth: 7%), and the reflection coefficient is less
than -10 dB in available frequency band. Fig. 9 (b) shows
the simulation and measured results of the gain in
E-plane at 99 GHz. The pattern shows that the gain is
32.5 dB at 99 GHz and normalized side lobe level is less
than-12dB. The azimuth of the beam is 12 degree and the
HPBW is 2.56 degree. We can see from the measured
result that there is a peak gain of 31.6 dB at the center
frequency of 99 GHz, the normalized side lobe level is
less than -12dB. The gain of this antenna is over than 30
dB in the frequency range of 96-103 GHz. The beam has
a deflection angle of approximately 12 degree. HPBW of
this antenna is about 2.4degree. The measured peak gain
is slightly lower than that in the simulation. The small
difference may be attributed by the assembly error and
the fabrication tolerance.
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Fig. 9. (a) Simulated and measured S;1 parameters of
the CTS antenna. (b) Simulated and measured radiation
patterns at the frequency of 99 GHz.

IV. CONCLUSION

This paper presents a CTS array antenna with
low profile, high gain, high efficiency and 12 degree
beam deflection angle. This antenna consists of CTS
array (CTS radiation stubs and parallel plate waveguide
network) and a linear source generator, which can be
independently designed and optimized. We change the
radiating stubs by the inverted T-type structure to realize
an azimuth angle of inclination. This CTS antenna
utilizes multistage impedance converter to increase
radiation efficiency and achieve a higher gain and lower
side lobe in feeding network and radiation components
compared with other CTS antennas. And the pillbox
structure of the linear source generator is also used to
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implement this low-profile CTS array antennas. It has
been demonstrated that the structure can be an attractive
candidate for the through-the-wall detection system
based on terahertz technology.
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Abstract — A W-band PIN diode single pole double
throw (SPDT) switch with low insertion loss (IL) was
successfully developed using a hybrid integration circuit
(HIC) of microstrip and coplanar waveguide (CPW) in
this paper. In order to achieve low loss of the SPDT
switch, the beam-lead PIN diode 3D simulation model
was accurately established in Ansys High Frequency
Structure Simulator (HFSS) and the W-band H-plane
waveguide-microstrip transition was realized based on
the principle of the magnetic field coupling. The key
of the proposed method is to design the H-plane
waveguide-microstrip transition, it not only realizes the
low IL of the SPDT switch, but also the direct current
(DC) bias of the PIN diode can be better grounded. In
order to validate the proposed design method, a W-band
PIN diode SPDT switch is fabricated and measured.
The measurement results show that the IL of the SPDT
switch is less than 2 dB in the frequency range of 85 to
95 GHz, while the isolation of the SPDT switch is greater
than 15 dB in the frequency range of 89.5 to 94 GHz. In
the frequency range of 92 to 93 GHz, the IL of the SPDT
switch is less than 1.65 dB, and its isolation is higher
than 22 dB. Switch rise time and switch fall time of
the SPDT switch are smaller than 29ns and 19ns,
respectively. Good agreement between the simulations
and measurements validates the design method.

Index Terms — Insertion loss, isolation, PIN diode,
SPDT switch, switch fall time, switch rise time, W-band,
waveguide-microstrip transition.

I. INTRODUCTION

Driven by wide applications, such as the radio
astronomy, radar system, 5G and 6G communication,
there has been an increasing interest in developing the
SPDT switch working at W-band (75-110 GHz) or high
frequency band [1-5]. According to different design
processes, the commonly used switches in the W-band
include HIC switches [6-8], monolithic microwave
integrated circuit (MMIC) switches [9-12], and micro-
electromechanical system (MEMS) switches [13-17]. The
W-band MMIC switches and MEMS switches technology
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can realize wide bandwidth and good consistency, but
the high loss, low power capacity, difficult processing
and complex manufactures are inevitable. The HIC
switches were considered as an expedient choice, which
is suitable for low ILs, high power capacity, low-cost
and mass production. However, the traditional hybrid
integrated PIN diode switches are designed based on
the principle of the electric field coupling. There are
two commonly used methods, one is to use the fin line
structure combined with the accurate PIN diode 3D
simulation model to design the W-band switch [6], and
the other is to use a microstrip line structure [8]. The
switch of the fin line structure can achieve good DC bias
grounding, but the relatively lager size, high ILs and
difficult integrated with other devices are inevitable [7].
At the same time, the switch of the traditional microstrip
line structure is easy to integrate with other millimeter
wave devices. However, an external DC bias grounding
structure is required, which will increase the ILs and size
of the switch [8].

With the development of millimeter wave
communication, the W-band SPDT switch with high
power handling capability, low ILs and low-cost becomes
indispensable. In this paper, an accurate PIN diode
simulation model is established in Ansys HFSS. A W-
band SPDT switch with compact structure, low loss
and easy DC bias grounding was designed by using
microstrip and CPW structure combined with accurate
PIN diode simulation model. The W-band SPDT switch
is fabricated, whose simulated and measured results are
in good agreement. In the frequency range of 85 to 95
GHz, the IL of the SPDT switch is less than 2 dB, and its
isolation is higher than 13 dB.

1. SWITCH STRUCTURE AND DESIGN

Figure 1 shows the schematic diagram of the
proposed W-band SPDT switch, which can be seen as
composing of two single pole single throw (SPST)
circuits. The switches are divided into parallel switch
and series switch according to the connection mode of
the PIN diode. In this paper, in order to reduce the IL of
the SPDT switch, the two PIN diodes are connected in

https://doi.org/10.47037/2021.ACES.J.360712
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parallel with the microstrip line at the expense of the
switch isolation. As shown in Fig. 1, the D; and D, are
the PIN diode. At the same time, the lengths of L; and
L, equal to quarter wavelength are adopted. As we all
know, when the PIN diode is turned on, it exhibits low
resistance characteristics, which can be equivalent to a
short circuit. The PIN diode is reverse biased, it exhibits
high resistance characteristics, which can be equivalent
to an open circuit. The impedance characteristics of the
PIN diode under different DC biases are used to design
the SPDT switch, and then it is matched or mismatched
at the millimeter wave input to control the signal on or
off [18]. Considering the application of the SPDT switch,
the port 1 is adopted the standard wave port WR10, and
both of the port 2 and port 3 are matched to 50Q.

Port1
Port 2 L, L, L, L,

Port 3

Fig. 1. Schematic of the W-band SPDT switch.

\

Beam lead

GaAs

Fig. 2. The physical photo of the PIN diode.

In order to satisfy the needs of different frequencies
and designs, the PIN diodes are available in various
packaging forms. According to the W-band radar front-
end requirements for SPDT switch IL, power capacity,
isolation, volume, etc., the selected beam-leaded PIN

diode was fabricated by Skyworks using GaAs technology.

The physical photo of the PIN diode is shown in Fig. 2.
The PIN diode size is 0.31 mm x 0.28 mm x 0.05 mm
(length x width x thickness), which is not include the
size of the beam lead. The basic parameters of the diode
given by the manufacturer are shown in Table 1.

Table 1: The basic parameters of the diode

Reverse Max Total Max Series Resistance | Switch Time
Voltage Capacitance (10mA, 100MHz) (I.=10mA)
V) (10V, 1MHz) (pF) Q) (ns)
60 0.025 35 25
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From the SPICE provided by the manufacturer, it is
impossible to know the accurate forward and reverse bias
impedance parameters of the PIN diode in the W band
(85-100 GHz). On the basis of the PIN diode simulation
model proposed in [6], the accurate diode model is
established in Ansys HFSS. The PIN diode simulation
model is shown in Fig. 3. As shown in Fig. 3, the P-
region and N-region are equivalent to an ideal electrical
conductor. At the same time, the I-region is simulated as
the impedance boundary, whose value is 6+j30 in the
forward bias state and 130-j570 in the reverse bias state.
The package of the PIN diode contains an oxide-nitride
passivation layer, copper and GaAs. Finally, the forward
and reverse bias impedance parameters of the diode are
extracted according to the SPICE provided by the
manufacturer and the simulation model of the PIN diode

in HFSS.
Copper ‘/L I"

Oxide-nitride
passivation layer

Electrical conductor

Impedance
boundary

Copper f‘ Electrical conductor

Fig. 3. The simulation model of the PIN diode.

In this section, the W-band H-plane waveguide-
microstrip transition will be designed and analyzed
based on the principle of the magnetic field coupling.
The simulation model and results of the W-band (85-100
GHz) waveguide-microstrip transition are shown in
Fig. 4. The metal strips (thickness = 0.017 mm) with
different patterns are designed on a Duriod 5880 substrate
(thickness = 0.127 mm and &, = 2.2) and then inserted

into the H-plane of a standard WR10 waveguide cavity.
In order to achieve good matching of the H-plane
transition structure in the frequency range of 85-100
GHz, two high-impedance lines are added between the
probe and the 50 Q microstrip line. Meanwhile, for good
grounding efficiency, the metal strip of the probe at
the end must make good contact with the cavity, and the
two ground vias must be filled with conductive glue.
Finally, the H-plane transition structure can achieve
good grounding by the cavity. In the frequency range of
85 to 100 GHz, the simulation results show that the
return loss of the H-plane waveguide-microstrip transition
is greater than 20 dB, and their IL is less than 0.09 dB.
Therefore, the H-plane waveguide-microstrip transition
structure not only has a transition effect, but also can
achieve a good grounding effect. According to the above
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discussion, in the subsequent design of the W-band
SPDT switch, the H-plane waveguide-microstrip transition
structure can reduce the size and IL of the switch.
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Fig. 4. The simulation model and results of the H-plane
waveguide-microstrip transition.

In order to facilitate the measurement of the SPDT
switch, an E-plane waveguide-CPW transition is
designed. The simulation model and results are shown in
Fig. 5. The used substrate is Duriod 5880 substrate with
thickness of 0.127 mm and its top includes metal strips
having different shapes with thickness of 0.017 mm. The
substrate inserted into the central E-plane of a standard
WR10 waveguide cavity.
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Fig. 5. The simulation model and results of the E-plane
waveguide- CPW transition.

In the design of the W-band SPDT switch, in order
to avoid the leakage of radio frequency signals due to the
addition of a DC bias to the PIN diode, the low pass filter
(LPF) in the W-band is designed. The LPF is used to
power the diode, and its simulation results and model are
shown in Fig. 6. The simulation results show that the
LPF has high rejection in the frequency range of 85 to
100 GHz.

In the section, combining all the above designs, the
W-band SPDT switch without waveguide-CPW transition
is designed, and its simulation results and model are
shown in Fig. 7. The substrate size of the SPDT switch
without waveguide-CPW transition is 7.47 x 3.44 x 0.16

ACES JOURNAL, Vol. 36, No. 7, July 2021

mms.

024 1-15

--20

——3, ——S5,,
* --25

Portl 120

H-35

06 |
I 440
i { {45

'—\ Port2
T T -50

T T T T T
86 88 920 62 94 96 98 100
Frequency (GHz)

S, (dB)
S,, (dB)

Fig. 6. The simulation model and results of the LPF.

S-parameters (dB)

Frequency (GHz)

Fig. 7. The simulation model and results of the W-band
SPDT switch without waveguide-CPW transition.

In order to facilitate the measurement of W-band
SPDT switches, the ports 2 and 3 achieve standard
wave port WR10 output through the waveguide-CPW
transition. At the same time, a DC power supply board
for PIN diodes is designed. The simulation model and
results of the W-band SPDT switch with waveguide-
CPW transition are shown in Fig. 8. It can be seen from
the simulation results that the IL of the SPDT switch is
less than 2dB, and its reflection and isolation are greater
than 10 dB in the frequency range of 85 to 97 GHz.

———————————— .
|
2.5dB —— Port | (WR10)

Port2 sl
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Port 3 (WR10)
~~ Ve

N _—
-20-| \ // S

S-parameters (dB)

T T T T T
86 88 90 92 94 96 98 100
Frequency (GHz)

Fig. 8. The simulation model and results of the W-band
SPDT switch with waveguide-CPW transition.



IHl. EXPERIMENTAL RESULTS

According to the analysis and discussion above, a
W-band SPDT switch with waveguide-CPW transition
is designed, and it is shown in Fig. 9. As shown in
Fig. 9 (a), The PIN diode DC bias without the external
grounding structure can achieve a good grounding
effect only through the H-plane waveguide-microstrip
transition. The assembly drawing of the W-band SPDT
switch with the waveguide-CPW transition under the
microscope is shown in Fig. 9 (b), and its physical photo
is shown in Fig. 9 (c).

PIN DC bias

@

Port 1

Fig. 9. (a) Fabricated substrate of the SPDT switch, (b)
assembly drawing of the SPDT switch, and (c) physical
photo of the SPDT switch.

An Agilent 83623B signal source along with Agilent
W-band frequency extension modules 8355B and an
Agilent 8757D scalar network analyzer were used for S-
parameters measurement. In the measurement of the
SPDT switch, port 1, port 2, and port 3 correspond to the
ports in the simulation model in Fig. 8. The measured
results of Fig. 9 (c) are shown in Fig. 10. When port 2 is
on and port 3 is isolated, the measurement results of the
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W-band SPDT switch with waveguide-CPW transition
are shown in the Fig. 10 (a). Moreover, when port 3 is
on, the measurement results are shown in the Fig. 10 (b).
In the frequency range 85 to 95 GHz, the measured ILs
of the port 2 is less than 2 dB and its isolation is greater
than 12 dB under on-state, as seen in Fig. 10 (a). As
shown in Fig. 10 (b), in the frequency range 85 to 96.5
GHz, the measured ILs of the port 3 is less than 2 dB and
its isolation is greater than 10 dB under on-state. In the
frequency range of 89.5 to 94 GHz, the measured results
that the ILs of the SPDT switch are less than 2 dB, while
its isolation is greater than 15 dB. In the frequency range
of 92 to 93 GHz, the measured ILs of the SPDT switch
are less than 1.65 dB, its return losses are greater than 15
dB, and its isolation is greater than 22 dB.

Fig. 10. (a) Measured results of the fabricated SPDT
switch port 2, and (b) measured results of the fabricated
SPDT switch port 3.

In the test of the SPDT switching time, the radio
frequency signal after passing the detector is measured
through an oscilloscope. The measured results of the
SPDT switching times are shown in Fig. 11. As seen in
Fig. 11, switch rise time and switch fall time of the SPDT
switch are lower than 29ns and 19ns, respectively.

Table 2 tabulates the performance comparisons
of the proposed W-band SPDT switches with some
previous works. Compared with the designs in [6] and
[14], our proposed one has lower ILs. At the same
time, the design in [6] only provides simulation results.
Note that the works in [9, 11-12] were used by MMIC
technology and tested by GSG probing. Therefore, the
ILs of [9, 11-12] in Table 2 were presented without
losses of the waveguide-CPW transition. For our design,
the IL in Table 2 has included the loss of the waveguide-
CPW transition back to back, which is about 0.7 dB at
the frequency range of 89.5-94 GHz.
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(b)

Fig. 11. (a) Measured results of the SPDT switch rise time,
and (b) measured results of the SPDT switch fall time.

Table 2: Performance comparisons with some previous
W-band SPDT switches

Frequency| IL Isolation

Technology (GH2) (dB) (dB) Ports

[6] HIC 85-95 | 1.3-25| 17.5-24 | WR10

[9] MMIC 75-110 | 1.4-2 19-22 | CPW

[11] MMIC 75-110 | 1.2-1.6 | 17.7-20 | CPW

[12] MMIC 75-110 | 1-1.6 |28.5-31.6 | CPW

[14] | MEMS 75-80 | 9.1-11 | 22-25 | CPW

This | yc 89.5:94 | 1.47-2 | 1522 |WR10
work

1V. CONCLUSION

Based on the principle of the magnetic field
coupling, a W-band PIN diode SPDT switch with low
IL has been presented using the HIC of microstrip and
CPW in this paper. By designing H-plane waveguide-
microstrip transition and the accurate models of PIN
diode, low ILs and compact structure can be achieved.
Finally, the simulations and measurements of the
demonstrative W-band SPDT switch are in good
agreement. The measured ILs of the SPDT switch are
less than 1.65 dB, its return losses are greater than 15 dB,
and its isolation is greater than 22 dB, in the frequency
range of 92 to 93 GHz.
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Abstract — Diagonal loading technology is widely used
in array antenna beamforming because of its simple
method, low computational complexity and the ability
to improve the robustness of beamformer. On this basis,
this paper proposes a robust adaptive beamforming
method based on automatic variable loading technology.
The automatic variable loading matrix (AVLM) of
the method is composed of two parts. The non-uniform
loading matrix dominants when the input signal-to-noise
ratio (SNR) is small, effectively control the influence of
noise disturbance without affecting the ability of array
antenna to suppress interference. The variable diagonal
loading matrix dominants when the input SNR is high
to improve the output performance of array antenna.
Simulated results show that compared to other methods,
the proposed method has better output performance for
both low and high input SNR cases.

Index Terms — Array antenna, loading, robust adaptive
beamforming.

I. INTRODUCTION

Adaptive beamforming technology is an important
topic in array signal processing. It is widely used in
radar, sonar, array antenna, wireless communication,
medical imaging and other fields [1-3]. In numerous
adaptive beamforming methods, Capon beamforming
method is used extensively for its effective suppression
of interference and noise and good output performance
in ideal environment [4]. However, in practical
application, various error environments have led to the
serious degradation in output performance of traditional
Capon beamforming method. How to improve the
robustness of beamformer has become a hot topic in

Submitted On: March 25, 2021
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recent years.

To increase robustness of array antenna, many
beamformers based on interference plus noise covariance
matrix (INCM) reconstruction are proposed [5-7]. This
kind of method has good performance, but these methods
are computationally complex and rely heavily on array
manifold information. To make the method beamformer
simple and easy to implement, we mainly study the
beamformer based on loading technology in this paper.
Carlson proposed a diagonal loading method (LSMI) [8],
which is robust towards the mismatch of the steering
vector (SV) of desired signal and the influence of the low
number of snapshots, and it is easy to implement without
increasing computation. The output performance of
conventional LSMI method varies with the selection of
diagonal loading factor, but there is no certain method
to determine the value of optimal loading factor. For
diagonal loading technology, the selection of optimal
loading factor is still an unsolved problem, which worth
further research and discussions [9]. A beamforming
method based on worst case performance optimization
was proposed in [10]. In this method, the upper limit
of error is set between imaginary SV and the SV. By
constraining the response of the beamformer when the
error of the desired signal steering vector reaches the
upper limit, the worst-case performance can be optimized.

Compared to these fixed diagonal loading
beamforming methods, more variable loading
beamforming methods have been widely studied [11-
13]. Zhuang proposed a variable loading method, which
can improve the robustness of the array antenna by
preventing the weight vector from converging to the
noise subspace and setting the loading factor in a special
way [11]. Li proposed a diagonal loading method which

https://doi.org/10.47037/2021.ACES.J.360713
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makes loading factor change with the input SNR, and
corrects the steering vector of the desired signal, so as
to improve the robustness of the array antenna [12].
In reference [13], according to the interval of diagonal
loading value, an adaptive diagonal loading technology
with diagonal loading factor varying with input signal
power is proposed to further improve the robustness
of array antenna. However, above methods have limited
robustness improvement for beamformer, especially
when the input SNR is large. The output performance of
Capon beamformer decreases sharply, because of the
cancellation of desired signals when array antenna
receives data with small snapshots.

In view of the above problems, this paper proposes
a novel robust adaptive beamforming method based
on automatic variable loading technology (AVL-RAB),
which constructs the non-uniform loading matrix and
variable diagonal loading matrix without increasing the
complexity of calculation firstly. In order to better
integrate the above matrices, we construct a mixed factor
to make non-uniform loading matrix play a leading role
when SNR is low. In this way, the beamformer can
restrain the influence of noise disturbance, and try to
keep the ability to suppress interference. When the SNR
is high, variable diagonal loading matrix play an
important role. Although the ability of array antenna
to suppress interference is reduced, the desired signal
cancellation is avoided to ensure the output performance
of the array antenna. To further improve the robustness
of the array antenna, the method corrects SV of the desired
signal in a way similar to reference [14]. Numerical results
demonstrate the superior performance of the proposed
beamformer relative to other existing beamformers.

1. SIGNAL MODEL AND DIAGONAL
LOADING

A. Signal model of array antenna

Consider a uniform linear array (ULA), which is
composed of N omnidirectional antennas spaced by half
awavelength, receiving uncorrelated far-field narrowband
signals. The sample data of array antenna at the kth
snapshot is modeled as:

X(k) = AS(k) + N(k), Q)
Where X(k) =[x, (k) X,(K) --- X, (k)] is a Nx1 data
vector, ()7 indicates transpose of the matrix,

S(K) =[s, (k) s,(K) ++-s,, (K)]" is a mixed signal vector
containing M narrow band interference and a desired
signal. N(k) is assumed to be the additive spatially

Gaussian white noise with zero mean and variance o7 .
A=[a(g) a(8) --- a(6,)] is array manifold matrix,
a@,)=[1e” ... '™ denotes the SV of 6,
B, =2xd sin(ep)/ﬂ is the phase difference.
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The output of this array antenna is given as:
y(k) =w"x(k), 2

where w =[w,,W,,---, W, ]T is the weight vector of the

array antenna, (+)" is the conjugate transpose of matrix.

The minimum variance distortionless response (MVDR)
beamformer is obtained by minimizing the variance
of the interference and noise at the output while
constraining the target response to be unity, hence can be
formulated as:

min w'R,, W s.t.w"a(g,) =1, (3)

where a(g,) is the desired signal steering vector, R,

is the interference plus noise covariance matrix (INCM)
matrix. In practice, R,,, is unavailable, so replace it

with the following data sample covariance matrix (SCM):
K

= L3 XX (k) @
Kiz

where K is the number of snapshots. Therefore, by
solving the above problems, the weighted vector of the
beamformer can be obtained as:

5-1
__Ra@) (5)
a’(6,)R a(6,)

In the ideal cases, Capon beamformer has good
output performance. However, since the desired signal
is contained in the training data, the standard Capon
beamforming method is more sensitive to the steering
vector error of the desired signal. When beamformer
suffers from large input SNR, small snapshots and
steering vector mismatches, the performance of
beamformer decreases sharply.

opt

B. Diagonal loading method
Diagonal loading method can solve the problem of
noise disturbance effect well. The principle is as follows:

minw" (§+Z|)W s.t. wha(g,)=1, (6)

where A is the diagonal loading factor. I is the identity
matrix. According to the formula (5), it can be concluded
that:
A -1
(R+/u) a(9,)
pL = R 1 : (7)
a" (90)(R+/u) a(6,)
The beampattern can be expressed as:
G (W, ,0)=wp "a(d)

AN {a (6,)a(0) - t‘zjzf a" (4,)v,v] a(@)}
M 8
G(a(6,).9) Z ) Ay o (6,)0,G(v,,0) ®)

N -

2 a "(6,),G(v,,0),

i=M+1 |
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and v, are

where 1i=1/a"(6)(R+41) a(@). 4

eigenvalues and eigenvectors of R , respectively,
A=A, >---2 4. The three terms on the right side of

formula (8) are respectively the static array response, the
weighted sum of interference beam response and the
weighted sum of noise beam response. It can be seen that
for the diagonal loading technology, the increase of the
loading factor is conducive to reducing the impact of
noise on the beam quality, while the large loading factor
will reduce the interference suppression ability of the
array antenna.

I1l. THE PROPOSED METHOD
In this section, a robust adaptive beamforming
method based on automatic variable loading in array
antenna is proposed.

A. The construction of non-uniform loading matrix

In this section, the SCM is preprocessed by forward
and backward spatial smoothing technique. Define a
transformation matrix J:

0 .- 01
0 10

J= , 9
S| ®)
1 .00

A new covariance matrix R is obtained by using
forward and backward spatial smoothing technique.
This technique can be considered as regularizing the
unstructured SCM into a more structured one, which
leads to a higher convergence rate. The proof, which uses
this reconstructed SCM to improve the performance of
the beamformer, is shown in [15]. R can be expressed
as:

= R+;R J ’

where (s)" is conjugate operation of matrix.

According to formula (3), a constraint is imposed
on Capon beamformer to make the weighting vector
approximately orthogonal to the noise space. It can be
expressed as:

min w" Rw subject tow"&(6,)=1w"R™w<T, (11)

(10)

where T is a minimum value, &(6,) is assumed desired
signal SV. The above formula can be resolved into:

min w" (R+yR™)w subject to w"(6,)=1. (12)
The non-uniform loading matrix is as follows:

A, =yR™. (13)

Through the non-uniform diagonal loading matrix,

the weighted vector can be avoided to converge to the
noise space, which is conducive to the array antenna to

suppress small eigenvalue disturbance and ensure the
interference suppression ability of the array antenna.

B. The construction of variable diagonal loading factor
In this section, the variable diagonal loading factor

(VDLF) is constructed. Process the R in formula (10)
via eigen-decomposition:
R = UAU"
! (14

where U =[%,,%,,---,%, ] K:diag(ﬂ_j,ﬂ_?,'--,IN) is
a diagonal matrix, 4, > 4, >---> 4, . The desired signal
SV falls in the signal subspace formed by large
eigenvalues. Because the difference between the
assumed desired signal SV &(¢,) and the real value
is little. Project &(¢,) to each eigenvector to get the
following result:

p() dv'a&)F, i=12-N, (15)
when p(i) is the maximum, the eigenvalue of the
corresponding eigenvector is i[N] . It is the eigenvalue of

the desired signal. The small eigenvalues are added and

averaged to estimate the noise power:
N

> A

of = e (16)
The VDLF can be set as:
q 2
—o?
%:_ﬂw,\ll . a7

C. Construction of automatic variable loading matrix

In this section, we construct the mixed factor, which
can change the parameters according to the change of
the input SNR and has obvious allocation ability
whether SNR is large or small. The mixed factor can be
constructed as follows:

U (18)
A tNol
2
k=l-g=—-—-"— No, , (29)
/1[N]+N0n2

where a and x are the mixed factors constructed in this
paper, which can effectively reflect the low input SNR
and the high input SNR.

Based on the above research, the automatic variable
loading matrix can be constructed as follows:

A, =ak,+xAl
Ay | (20)

=ayR™ +r—1.

On
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D. Desired signal SV estimation

This section estimates the SV of the desired signal
with the method similar to that in reference [14]. We
assume that the @ is the angular sector in which the
desired signal is located. Define the correlation matrix of
the SV:

G- Y a0 0)O/N. (1)

Process the G via eigen-decomposition. The
eigenvectors corresponding to the first L large eigenvalues
are extracted as orthogonal matrices U =[v, v, - v_].
So the actual SV of the desired signal can be estimated
as:

a(6,) =Vy, (22)
where y is defined as a rotating vector. By maximizing
the output power of the desired signal, take y into
the norm constraint. The optimization problem can be
expressed as:

myin y"U"R™Uy st y"y=N. (23)

The problem (23) can be solved by Lagrange
multiplier methodology. We can get:
U'RUy = uy . (24)
Define y, as the eigenvector corresponding to
the minimum eigenvalue of matrix U"R™U and
y{'Y, = N . Then, the estimated SV of the desired signal
can be obtained by substituting this solution into (22):

ao) =N uy, . (25)

Ivol

E. Calculation of weighted vector
The mixed loading matrix of formula (20) and the
desired signal steering vector estimated by formula (25)
are introduced into formula (12):
min wh (Ifl+ay|§'m+zd\,l)w st. w"a(g,)=1. (26)

By solving the above equation, it can be concluded
that:

w, =(R+ayR™+xA,1) " a(6,). (27)

Substitute formula (14) into the above formula, we
can get:
N v,"a(g,
w, =3 = ( f‘])) v, (28)
T4+ (ar/A")+ 1A,

In order to further suppress the influence of
small eigenvalue disturbance, we take the noise power
estimation as the threshold of small eigenvalue, which is
defined as 7 =max(4,o7),i=12,+,N . Through the

formula (28), we can find that when m =0, the non-
uniform loading technology becomes uniform diagonal
loading technology. When m becomes larger, the non-

ACES JOURNAL, Vol. 36, No. 7, July 2021

uniform loading corresponding to large eigenvalue and
the influence on the interference suppression will be
smaller. Larger m will result with smaller non-uniform
loading which corresponds to large eigenvalue, hence
leading to smaller influences on interference suppression
of array antenna. However, if m is overlarge, the beam
sidelobe will be enhanced. In this paper, we define

m=2, y=10c>"". Thus, the weight vector can be
expressed as:

¥y (vMa@))
2 e e ) e

The main computational complexity of the AVL-
RAB is the eigen-decomposition operation. Its overall

computational complexity is of O(N®). Compared to

(29)

the methods using optimization algorithms to estimate
diagonal loading value, the computational complexity
is relatively low. Table 1 shows the computational
complexity of several methods.

Table 1: Comparison of computational complexity

Beamformer Computational Complexity
INCM-RAB [5] O(N**)
INCM-NVM [6] O(MN?)

LSMI [8]

LC-RAB [11]

LCHP-RAB [12] o(N?)
ADL-SMI [13]
AVDL-RAB

IV. SIMULATIONS AND COMPARISONS
Consider a ULA with 10 antennas spaced half-

wavelength. The desired signal direction is 0" . Two
sidelobe interferences impinge on the ULA from —-30°

and 50° with interference-to-noise ratio (INR) 30dB .
The signal and interference are statistically independent,
and the added noise is Gaussian white noise. The
snapshots of received data is 100. All experimental results
are from 100 independent Monte Carlo experiments. The
AVL-RAB in this paper is compared to IPNM-NVM [6],
LSMI [8] with the loading factor =100, LC-RAB [11],

LCHP-RAB [12], ADL-SMI [13].

A. The simulation of VHDL and mixed factor

In this simulation, the snapshots number is 100 and
the input SNR changes from -10dB to 30dB uniformly.
Fig. 1. shows the VDLF versus the input SNR. From the
simulation results, the proposed VDLF can estimate the
input SNR of the received signal, and the estimation
result is accurate. This factor can make the array antenna
avoid the desired signal cancellation when the input SNR
is large and snapshots are small, so as to ensure the
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output performance of the array antenna. Figure 2 shows
the curve of mixed factor changing with input SNR. It
can reasonably allocate the proportion of two loading
matrices according to the value of SNR.

40

INPUT SNR
30 —&—VDLF 1Y
o
'8
5‘10
=

% inPUT MR (dB) *° %0

Fig. 1. VDLF versus the input SNR.

“ = )

=)
=]

—E—q

=]
=)

MIXED FACTOR
=

IS
[

® inPUT 8NR (dB) ¥ e

Fig. 2. Mixed factors versus the input SNR.

B. Ideal condition

In this simulation, the performance comparison of
the above methods is made. Figure 3 shows the curves of
the output signal to interference and noise ratio (SINR)
with the input SNR when the number of snapshots is 100.
The input SNR changes from -10dB to 30dB uniformly.
Figure 4 shows the curves of the output SINR of each
method changing with the number of snapshots. The
input SNR is 15dB and the range of snapshots humber
changes from 20 to 100.

40

—6— OPTIMAL SINR
——¥—— IPNM-NVM [6]
| LSMI [8]
—8—LC-RAB [11]
——+—LCHP-RAB [12]
ADL-SMI [13]
[ —%— AVL-RAB

w
[=]

[av]
(=1

OUTPUT SINR (dB)
(=]

S0 50 5 10 15 20 25 30
INPUT SNR (dB)

Fig. 3. Output SINR versus the SNR in ideal condition.

-
o

—©— OPTIMAL SINR
% |PNM-NVM (6]
LSMI [8]
—&— LC-RAB [11]
—+— LCHP-RAB [12]
ADL-SMI [13]
—%— AVL-RAB

OUTPUT SINR (dB)
IS

20 30 40 50 60 70 80 90 100
NUMBER OF SNAPSHOTS

Fig. 4. Output SINR versus the number of snapshots in
ideal condition.

From Fig. 3 and Fig. 4, the IPNM-NVM has
excellent performance, but it is very complex and needs
more prior information. For the methods based on
loading technology, the proposed method has higher
output SINR and fast convergence speed. Thus, the
proposed method outperforms other similar methods in
ideal condition.

C. Desired signal steering vector mismatch
In this simulation, the look direction error of the
desired signal is randomly distributed in [-5",5]. The

true steering vector is formed by five signal paths and
4 .

is given by a=a(6,)+) e"a;(6) , where a(6)
i=1

corresponds to the coherently scattered paths. 6 is

random value in [-5,5], ¢ is the phase of the

independent path and randomly distributed in [0, 27].

Other simulation conditions remain unchanged, the
performance of each method is simulated.

40

—©— OPTIMAL SINR
¥ IPNM-NVM [6]
LSMI [8]
—8—LC-RAB [11]
—+— LCHP-RAB [12]
I ADL-SMI [13]
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OUTPUT SINR (dB)
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-20 : ; : : : ; ;
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Fig. 5. Output SINR versus the SNR with desired signal
SV mismatches.
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Fig. 6. Output SINR versus the number of snapshots with
desired signal SV mismatches.

From above simulation results, the output SINR of
all methods decreases significantly in this condition. The
beamformer based on INCM reconstruction still perform
well. The output performance of the method in this paper
is better than other existing similar methods.

V. CONCLUSION

In this paper, a novel robust adaptive beamforming
method based on automatic variable loading technology
is proposed for array antenna. The method constructs the
automatic variable loading matrix by mixing the non-
uniform loading matrix and variable diagonal loading
matrix so as to ensure that the array antenna has better
output performance whether SNR is large or small. The
computational complexity of the matrix is relatively low.
Simulation results show that the proposed method has
better robustness in the error environment of small
number of data snapshots and mismatch of SV. The
proposed method outperform other existing similar
methods obviously.
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Abstract — In order to achieve both adjustable wideband
and high Polarization Conversion Rate (PCR) of the
transmitted waves, a novelty tri-layered structure is
proposed for terahertz applications. The Rhombus
Hollow Square (RHS) is built up by top and bottom gold
gratings on Silicon Dioxide and Polyamide substrate
with graphene strips. The proposed polarizer broadens
the bandwidth and has well performance. As chemical
potential increases, the bandwidth is also broadened by
adjusting the graphene. From 0.5 THz to 3 THz, the PCR
is greater than 90%, and the relative bandwidth up to
142.9%. The transmission and absorption of polarizer are
analyzed at the oblique incidence with chemical potential
0.1leV. By simulating and analyzing the performance,
a new result of maintaining broadband and high
transmittance in oblique incidence is obtained.

Index Terms — Graphene, Terahertz, transmitting
polarizer, ultra-wideband.

I. INTRODUCTION

Usually, terahertz (THz) wave is a length of 3000
to 30 um, and the frequency is 0.1 to 10 THz. The
application of terahertz technology in the field of
electromagnetics is a hot topic now [1-2]. Terahertz is
used in fields such as high-temperature superconducting
materials, semiconductor materials properties research,
and broadband communication [3], microwave device
[4-6] and so on. Currently, there are mainly three types
of polarizers used in the terahertz band liquid crystal
polarizers [7], carbon nanotube polarizers [8], and metal
wire grid polarizers [9]. Metal wire grid polarizers can
be obtained mainly through precision machining, laser
direct writing technology, photolithography and other
processing methods. This is also the most widely used
terahertz polarizer.

Generally, metal is fine material to design
metamaterials and which is designed for reflective [10-
12] and transmitting polarization converters [13-18].
For some non-adjustable materials, such as dielectric

Submitted On: March 4, 2021
Accepted On: June 10, 2021

materials and metal materials, which dynamic control
becomes more inconvenient, and its application is
limited. However, there are many advanced technologies
for terahertz/mid-infrared tunable polarizer. In particular,
the transmittance of the polarization control is adjustable.
The bandwidth is broadened by adjusting the parameters
of graphene to design the structure. This research
provides a unique idea for the controllable polarization
conversion rate in the research [18].

At the same time, the graphene has high electron
mobility, the electrical grating or doping level of
graphene can be adjusted to make it conductive [19-30].
For example, the absorbers [19] are tunable graphene
based with polarization insensitive [20]. Light efficiently
into graphene surface plasmon can be captured by the
graphene sheet [21]. The graphene frequency selective
surface achieves tunable polarization rotation of the
transmitted wave and controllable bandpass response
[23]. Graphene can be combined with other materials,
which performance and bandwidth will enhance [24].

The conductivity of graphene is used to control
by voltage [25]. According to design the polarization
converter, the electron scattering time characteristic of
graphene ranges from ps to sub-ps, which can vary in a
wide range of frequency. MMW/IR beam synthesizer
based on graphene infrared window, used for MMW/IR
compound Compact Antenna Test Range (CATR), solves
the infrared transmittance in the MMW/IR compound
target simulation system [26].

We propose an original cross-polarized tri-layered
structure metamaterial converter, which is a new
transmission type, based on graphene to optimize the
conversion rate and widened the operating frequency.
We validated transmitting rate and high polarization
conversion rate by full-wave numerical simulations. The
physical mechanisms of the divice are also discussed.

I1. DESIGN OF TRANSMITTING
POLARIZER BASED ON GRAPHENE
A schematic diagram of the unit structure of a

https://doi.org/10.47037/2021.ACES.J.360714

1054-4887 © ACES
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metamaterial cross-polarized transmission converter
based on graphene strip, in which a vertically incident x-
polarized waves are transformed to cross-polarized
waves. The RHS patch, which arranged at a diagonal
of 45° in Fig. 1 (a). The dielectric spacers are silicon
dioxide and polyamide, with the RHS and graphene strip
between them. The top and bottom of the polarizer are
gratings. The gold grating wire width and periodicity
both are w, and the thickness of the grating is 0.1um. The
gratings are respectively covered on the substrates.

Silicon Vg

Dioxide () i
Polyamide grating

grating

@)
graphene graphene
h
Type A Type B
(b) ©

Fig. 1. (a) Schematic and geometric dimensions of
transmissive polarizer unit cell by graphene, (b) the RHS
of polarizer, and (c) type of the graphene strips in the
structure.

The middle part of the transmitting polarizer is
composed of graphene strip and a metal resonator layer
RHS in Fig. 1 (b), which is located on the bottom 20um-
thick substrates. The unit is arranged in a periodic array
structure of constant p. The structural parameters of the
graphene strips are p and s, respectively. The two types
of graphene strips are along the x-axis and rotated
45 degree with the unit diagonally, respectively. The
thickness of the graphene strips and RHS are 100 nm.
And the tri-layered structure substrate uses Silicon
Dioxide thickness of h and Polyamide thickness of hl
respectively. Table 1 shows the optimized parameters of
the structure. In order to excite the metal resonator RHS,
the polarization field is applied along the -z-direction
when the terahertz waves are normally incident.
Simultaneously, graphene strips are located under the
RHS transmitting polarizer to proactively modulate the
near-field coupling effect of terahertz waves.

ACES JOURNAL, Vol. 36, No. 7, July 2021

Table 1: The optimal parameters of the polarizer
Parameters |p |[c |s|b |w]|h |hl]a
Value(um) | 60|20 |5[25|4 |20][12 |67

In the research, the structures were numerically
investigated through frequency domain solver by CST
Studio Suite 2020 of commercially available full-wave
electromagnetic simulator software. The unit calculation
is shown in the Fig. 2. The periodic boundary structure
is unit cell and floquet ports on the top and bottom. In
the terahertz band, the three-layer metal-graphene-metal
layers realize the controllable characteristics of linear
transmission and perfect polarization conversion.

Fig. 2. The model of numerically investigates.

Two polarizers in the form of graphene are analyzed.
Type A is a horizontal graphene strip and Type B which
graphene with 45° angle in the horizontal direction. The
graphene layer is shown in Fig. 1 (c), which is isolated
by Silicon Dioxide with a dielectric constant £=3.9 and
Polyamide with a dielectric constant of 3.5. Introduce the
conductivity of the graphene strip according to the Kubo
formula, which is mainly intra/inter-band [27]:

intra(a)' ﬂc'F’T)_‘_Ginter(a)'/uc!r'T) ! (l)

0, =0,
— 1 2
_ACKBT (e (e 1 1y),
7h*(w— j2I") kBT
)

Uimra (a), ,uc,l",T) =

22| (0-j2D)k
O-imer (Cl), ,UC;F,T):—j e |n( |IuC| (CO J )
Arh 2|,Uc|+(60— j2r)h

), ()

where the kB and T represent Boltzmann's constant and
temperature. Parameters e and ¢ are the electron charge
and Planck's constant, respectively. In addition, t and
u refer to the relaxation time and chemical potential,
namely Fermi energy Eg. The z=1ps, meanwhile T=300K.
Therefore, o=1/27 represents the frequency of collision.

Before analyzing the design, it is necessary to
consider the selectivity structure of the polarizer. In
the first design, use graphene strips instead of whole
graphene sheets. Then, the polarization of the transmitted
wave with the applied voltage between the graphene strip
and the gold grating is investigated. The permittivity of
graphene [2] can be obtained by ¢ =1+(id,)/(s,@At) in



the CST Studio Suite 2020. The carrier density and the
position of the pic among the strips can be restrained with
the bias voltage, and the phenomenon is dynamically.
Formula (4) gives an approximate expression related to

e and Vg:
V
E, = u ~hv, /% (4)

The parameters g and g respectively represent the
dielectric constant of vacuum and silicon dioxide. The
parameter Vg is bias voltage. The parameters e and
V; are the electronic charge and the Fermi velocity at
1.1x108 m/s in graphene, respectively. The t=20nm is the
thickness of the insulating layer between the graphene
and the electrode. Novel polarizer we designed, the
maximum bias voltage of 100V is adopted. Calculated
by the formula, as the external load voltage increases, the
chemical formula gradually increases. The adjustment
range of the Er is between O0eV-1leV, which requires
range 5V to 75V bias voltage.

I11. SIMULATION RESULTS AND
DISCUSSIONS

The original unit structure of we proposed in Fig. 1
with the Cartesian coordinates of x-y-z axis. The periodic
unit can be designed as a polarizer. If the incident and
transmitted wave are E' and E, respectively. The both
forward and backward propagation of the transmission
polarizer can be used as a four-port transmission system
with the two ends as input and output. Then the positive
propagation and opposite propagation can be indicated
as the equation of electric field [28].

The superscript p indicate positive propagation along
the —z direction of forward, and the o indicate opposite
propagation along the +z of backward:

. [ER) |
E'=| ™ |e®
(EL”J

E[ A 1 (5)
Ex — X ejkz

E.J
EP EP° EP
E'yO B E;" E;”

T = . 6
ES E°E? ©
Eip Ero Etp
y y y
In that way, the transmission coefficients and
reflection coefficients of the positive (forward) and
opposite (backward) propagation in two componential
arrays are expressed by the 4x4 scattering matrix as:
ot ttot?
XX Xy XX Xy
0 0 p p
— tyx tyy tyx tyy ) 7)
bty thoty

0 0 p p
tyx tyy tyx tyy
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The subscripts x and y denote the electromagnetic
waves state of polarization, meanwhile mark down i and

t denote incident and transmit terahertz waves respectively.

The t, indicate y-polarization transmitting from x-
polarization incidence. The ry indicate x-polarization
co-polarized reflection amplitude from x-polarization
incidence. We propose a transmitting metamaterial
linear polarizer, which transform the incident x-polarized
terahertz wave to y-polarized, which is pure cross-
polarized wave. The Stokes method is introduced to
accurately describe transmitted waves. Four parameters
with the same physical dimensions are used to determine
the polarization state:

Tr, =tg, +t7,, 8)
Tr, =t; —t7,, 9
Tr , =2t,t,, CosAg, (10)
Tr,=2t,t,sinAgp. (11)

The formula Ap= @y — du =arg (tyx) - arg (txx) is
the difference of phase between the cross-polarized
transmission coefficient t,x and opposite propagation
coefficient t°. The polarization conversion rate (PCR)
of a tunable transmitting polarizer is usually expressed in
terms of conversion efficiency. The calculation formula
is:

PCR=t} /(t2 +12). (12)

Since electromagnetic energy may be lost, the
absorption rate of the conversion rate is calculated. The
absorption rate of transmission (A;) designs formula:

A =1-t2 —rZ. (13)

The graphene-based transmitting polarizer is
designed to perform linear polarization conversion in the
transmitting mode, so the metal layer of the traditional
reflective polarizer is replaced by gratings. The double-
layered grating is shown in Fig. 1 (a). The tri-layered
structure shown plays an important role in transmitting
pure linear polarized waves. With the double-layer
orthogonal metal gratings design, the upper grating layer
will not block the incident wave, and the cross-polarized
waves can be transmitted by bottom gratings, which
reflect the co-polarized waves as the metal layer. In this
way, a pure cross-polarized wave can be transmitted,
while its reflection is prohibited, and the polarization
conversion is improved.

In addition, vertical gratings are added in front of
the RHS. The cross-polarized and the co-polarized
transmittance obtained by numerical simulations and the
phase difference with the x-polarization normal incidence
are shown in Fig. 3. The transmission simulation result
of the Type-A graphene polarizer is shown in Fig. 3 (a).
The plots give information about the condition of loading
0dB incident power, the transmitted cross-polarized
wave exceeds -3dB, which is equivalent to half of the
energy transmitted. The opposite propagation t% can be
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lower than -10dB from 1.25 THz to 2.0 THz. Between 2.0
THz and 2.7 THz, the decrease of the cross-polarization
transmittance is due to the sharp increase of the opposite
propagation. The co-polarization transmission ty (Or tyy)
and tyy are all below -30dB.

The Fig. 3 (b) plots the performance of another
device Type B. Among 1.125 THz and 2.375 THz, the
power of cross-polarization transmission exceeds -3dB,
and from 2.0 THz to 2.375 THz, it exceeds -1dB. The
opposite propagation t% in the same frequency band is

less than -10dB, at some frequency points close to -20dB.

It shows that the transmission mode linear polarization
converter of Type B has a high-performance over a
broad-band.

&
S
’t

Transmittance/dB

'83.5 1.0 1.5 2.0 25 3.0
Frequency / THz

(a) Type A

Transmittance/dB
i
i

o
==

5 10 15 2.0 25 3.0
Frequency / THz

(b) Type B

Fig. 3. Cross-polarized transmittance t,, and opposite
propagation t%« are obtained through numerical
simulations with x-polarization normal incidence. (a) Type
A of graphene layout, and (b) Type B of graphene layout.

As shown in Fig. 4. (a), the PCR and the Absorption
with x-polarized at normal incidence. First, we analyze
the conversion rate of the Type A device. Between 0.5
THz and 2.75 THz the absorption ratio is kept below
20%. Between 0.75 THz and 2.8 THz the PCR is above
90%. In comparison, the performance of the Type B
polarizer is analyzed in Fig. 4 (b). Between 0.5 THz and
2.75 THz the PCR is greater than 90%. At 2.9 THz, the
PCR sudden decrease is due to the increase in opposite
propagation t° and absorption of metasurfaces. The

ACES JOURNAL, Vol. 36, No. 7, July 2021

parameter phase difference A¢ demonstrates the ability
to transform the linear incoming wave by 90° of
polarization. The absorption ratio of Type B decreases
with the change of the chemical potential.

By comparison from Fig. 3 and Fig. 4, the Type B
polarizer has better performance than the Type A. The
device of Type B has a high-performance of 90% over
a broad-band. Next, the performance of the graphene-
loaded Type B polarizer was analyzed in detail.

90 =
1.0
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0.8 —aPC 60 g

——Absorption

S 0.6 ——/\¢ A 30 g_

= A —

= AT I\ 0 <
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04 / \lg
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D

0. -90%5

05 10 15 20 25 303

Frequency / THz
(b) Type B

Fig. 4. The PCR and the Absorption and the phase
difference with x-polarized normal incidence. (a) Type
A of graphene layout, and (b) Type B of graphene layout.

IV. PERFORMANCE ANALYSIS

The principle of graphene-based double-layer
transmission polarizer is F-P-like cavity. The schematic
diagram of F-P-like cavity is shown in Fig. 5. In the multi-
transmission process, the interference of polarization
couplings may change total transmitted field about cross-
and co-polarized. Analyze the interference process of
waves to obtain the calculation method of transmittance.
According to the formula definition, t, (ry) represent
the y-polarized transmission ( or reflection) coefficient
of x-polarized incident on the h interface. The parameter
h is 1 and 2, which represent the top and bottom of
the F-P cavity, respectively. It should be noted that the
transmittance (or reflectance) defined is equal to its
square root, and it has nothing to do with the refractive
index of the dielectric material near the interfaces.
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Fig. 5. Schematic diagram of a graphene-based double-
layer dielectric F-P-like cavity.

According to the definition of light vector field in
electromagnetic theory, the normal incident wave of x-
polarized and the transmitted wave of y-polarized are E;
and Egyn. The letter n refers to the sequence round trip in
the cavity. Generally, the grating layer is considered an
ideal polarizer, and it can be easily calculated. Therefore,
the y-polarized transmitting phase will be calculated,
which ideal state is marked with a red line via Fig. 5.
Under ideal conditions, since the y-polarized wave is
transmitted round trip between the double-layer gratings,
the electric field after the ny round trip is Et, and the
polarization transmission usually consists of several parts.
Therefore, Emym (M =1, 2, ... 2n) is defined to explanation
each transmission part of Exy. The amplitude of Egqym
decreases exponentially with the increase of n. The
loss caused by the absorbing of the structure is directly
proportional to n. From the above analysis, the transmitting
energy will be acquired via superimposing principal of n
terms, formula is:

E ~Et y1+Et1y2+E‘tZ y3+E13y4 (14)

Next, the principle of the polarizer is discussed from
the electric field and surface current, which are shown
in Fig. 5 and Fig. 6 at 1.47THz, 1.95 THz, and 2.6 THz
when Ep=pc=0.1eV. It is important to establish the
electromagnetic coupling effect between the multilayer
transmitting polarizer in detail from the physical
principle of the F-P-like cavity.

While the terahertz wave is incoming the polarizer,
Fig. 6 (a) and Fig. 6 (b) show the surface currents on
the patch and graphene strip, respectively, where the
chemical potential Er = 0.1eV at 1.95 THz. The surface
current along the RHS in Fig. 6 (a) is the same as the
induced current on the graphene strips in Fig. 6 (b) at
1.47 THz, 1.95 THz and 2.6 THz. The graphs show that
the surface current is mainly distributed on the RHS
patch. At 1.47 THz and 2.6 THz, the surface current and
RHS are vertically downward and upward respectively.
At 1.95 THz, the surface current is downward in the RHS
direction. The direction of the surface current is different
at different frequencies, so the equivalent wavelength is
different.

GUO, LL JIANG, LIAO, AND PENG: ULTRA-WIDEBAND TRANSMISSIVE LINEAR POLARIZATION DEVICE

(@) The surface current diagrams of RHS

4 &

A/m
3000 ; §
2400 4 o
ot < 4
1200 = §

# # L.
(b) The surface current diagrams of graphene strips
Fig. 6. The surface current diagrams of RHS and graphene

strips at 1.47THz (left) 1.95 THz (middle) and 2.6 THz
(right) when Ep=pc=0.1eV.

(b) The Ee= uC-O leV of graphene strlps

Fig. 7. The electric field diagrams of polarizer at
1.47THz (left) 1.95 THz (middle) and 2.6 THz (right).

When the x-polarized incident wave is proposed for
RHS, the electric field diagrams of transmitted polarizer
are shown in Fig. 7. The electric field diagrams of the
polarizer without graphene strips in Fig. 7 (a). The area
where the field strength is enhanced varies with different
frequencies. When a graphene strip at Er of 0.1 eV
is loaded in Fig. 7 (b), the field strength focusing
phenomenon at the corresponding frequency point is
more obvious. The electromagnetic field accumulation
in space among the tips of RHS resonator patches
showing the capacitance characteristic. Via changing the
Fermi energy, the impedance of the graphene strip is
adjusted, and the metasurface structure parameters are
adjusted. With the Fermi level of raise the permittivity of
graphene gets closer and closer to the characteristics of
gold. By optimizing various parameters, the proposed
RHS of the original structure satisfies the condition of
linear polarization conversion, that is, the amplitude of
the transmitted y-polarized component equivalent to
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the incident wave. Meanwhile, the phase difference is
+n+2kn approximately.

In order to analyze the performance of the RHS
with graphene polarizer we designed, the transmittance of
cross-polarization was simulated with x-polarized normal
incidence are given in Fig. 8, while Er=u. covers among
0.05eV and 1.0eV. It can be obtained that the transmitted
terahertz waves are linearly polarized waves, when its
phase difference A¢ is given in Fig. 8 (a). The Figs. 8
(b), and (c) present the transmittance cross-polarized
waves, the opposite propagation t°« and absorption of
the polarizer at different chemical potential p.. We plot
the curve with the gradual increase of p, the absorption
rate of the transmitting polarizer continues to decrease,
while the transmission cross-polarized wave gradually
increases. When p. keeps increasing, the opposite
propagation t% increases by a resonance point, so the
frequency of the PCR is also broadened.

Figure 8 (d) shows the PCR simulation curves of
graphene polarizer with different fermi energies. It can
be seen from the figure Er=pc=0.05eV, 0.1V, 0.15eV,
0.2V, 0.25eV, 0.3eV, 0.5eV and 1 eV. The PCR of the
proposed RHS are greater than 90% from 0.5 THz to
2.75THz. With the increase of Eg, the bandwidth is
broadened, especially when Er=p.=0. 5eV and 1.0eV,
the conversion rate reaches up to 99%. While it’s
transmitting polarization conversion efficiency maintains
high performance. Therefore, it is concluded that the
characteristics of the graphene strip are the key factor for
the enhancement of the bandwidth of the proposed RHS
polarizer.
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Fig. 8. The transmittance of cross-polarization was
simulated vertical incidence with varying chemical
potential Er=y. (a) Transmittance cross-polarized waves
tyx, (0) transmissive co-polarized waves ty, () absorption,
and (d) the PCR.
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Finally, the transmittance of cross-polarization
was simulated with x-polarized incidence at oblique
incidence 0. As shown in Fig. 9 (a) with chemical
potential Er=u.=0.1eV. From 1THz to 2THz, the high
transmission performance can be maintained in the range
of 0°-60° with oblique incidence. The cross-polarization
transmission performance in the high frequency range
(2.1THz to 2.5THz) decreases when the oblique incidence
is 60 degrees. In Fig. 9 (b), the opposite propagation t%
gradually deteriorates and is greater than -10dB with the
increase of oblique incident. In Fig. 9 (c), that it is mainly
caused by the loss of absorption. The cross-polarized
waves can transmit through the back of gratings, which
still equivalent to a metal ground blocking the opposite
propagation t°%. The absorption rate of the polarizer is
kept below 30% as the angle of incidence increases from
0.5 THz to 2 THz. Due to the metasurface structure of
the device and graphene, as the incident angle increases,
the absorption rate increases sharply from 2THz to 3THz.
In Fig. 9 (d), from 0.5THz to 2.75 THz, the conversion
rate is greater than 90%. The widening of the frequency
is caused by the peaks in the PCR curve near 2.25, 2.75
and 2.9 THz. At these peaks, the efficiency is mainly
limited by the dielectric loss.

0 — 0
% -5 % -5 Y
Saol Ao Bl Sl B o
Sasp ff o WA SasE AN
gaof i V W 200" 5
S & 9 [~ 0=40°
sS-25 6=60 \/ 2500 o-so0
= 3 3 6=60°
) 8.5 1.0 1.5 2.0 25 3.0 8.5 1.0 1.5 2.0 25 3.0
Frequency / THz Frequency / THz
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PP L U . 1.0 v r
LOp e eerees WT\V T
\ 0.8 —=—0=10°
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(c) Absorption (d) PCR

Fig. 9. The transmittance of cross-polarization was
simulated or x-polarized incidence at oblique incidence
0 with chemical potential Er=u:=0.1€eV. (a) Transmittance
cross-polarized wave’s tyy, (b) the opposite propagation
%, (C) absorption, and (d) PCR.

Compared with the other references in Table 2, the
tri-layered resonant structure transmitting polarizer loaded
with graphene is very competitive. The device achieves
tunable ultra-wideband transmission performance. It is
important that the PCR is still above 90% at large
incident angles.



Table 2: Comparison of transmission polarizer performance

OB RB
Ref. (TH2) (PCR>90%) Tunable | Ol
[17] | 0.55-1.37 85.4% No 0-45°
[18] | 0.22-1.22 133% No No
[28] | 0.23-1.17 134.3% No No
[29] 1.3-1.63 22.5% Yes 0-90°
[30] 0.2-1.97 163.3 No 0-30°
vTvg:sk 0.5-3 142.9% Yes 0-60°

OB: Operater Bandwidth; RB: Relative Bandwidth; OI: Oblique
incidence.

V. CONCLUSION

Our transmitting polarizers of graphene-based are
wide incidence angle which achieved broadband and
almost perfect polarization conversion transmission. In
this study, two polarizers in the form of graphene strips
are analyzed. The graphene strip of type B is on the
diagonal of the unit structure, which has a high-
performance over a broadband. Next, the performance of
the graphene-based Type B polarizer was analyzed in
detail, when Eg spans from 0.05eV to 1.0 eV. As the
Er increase, the bandwidth is also broadened, while its
transmittance maintains high performance. Between 0.5
THz and 3 THz the PCR is greater than 90%, and the
relative bandwidth up to 142.9%. Finally, the transmittance
of cross-polarization was simulated at oblique incidence
0 with chemical potential 0.1eV. The proposed novel

tunable polarizer has high transmittance among in 0°-60°.

The future research is the composite electromagnetic
target simulation of the CATR, which is applied to the
RF/THz composite scene simulation to cope with the
complex and changing detection condition.
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Abstract — This paper presents an active microwave
sensor for the characterization of dielectric materials.
The sensor is consisted of a microstrip complementary
split-ring resonator (MCSRR) structure and an active
feedback loop. The loop uses an amplifier to generate
negative resistance to compensate the resonator’s loss
and increase the loaded quality factor. The developed
sensor possesses the advantages of high quality factor,
ultra-small electrical size, and high sensitivity. A prototype
of the sensor is fabricated and measured for validation.

Index Terms — Active feedback loop, Microstrip
Complementary Split-Ring Resonator (MCSRR), quality
factor, sensor.

I. INTRODUCTION

Accurate measurement of complex permittivity of
dielectric materials plays a vital role in healthcare, food
safety, and industrial manufacturing [1]-[6]. To this end,
microwave resonance planar sensors have been widely
explored in recent years due to their low cost and easy
fabrication [7]-[10]. In microwave resonance sensors,
the resonant frequency and quality factor are related to
the relative permittivity and electrical loss of the material
under test. This is, as the MUT sample is loaded, the
resonant frequency would shift downwards due to the
increased resonator capacitance, while the quality factor
is degraded due to the dielectric loss.

According to the frequency response characteristics,
the microwave resonance planar sensors can be divided
into two types, i.e., band-pass response and band-stop
response. In [7] and [8], the split-ring resonator (SRR)
and complementary split-ring resonator (CSRR) coupled
microstrip transmission lines were used in the sensor
design, and the complex permittivity of the MUT
were extracted through the transmission zero. These
two sensors act as band-stop filters. On the contrary,
the microstrip SRR and microstrip CSRR (MCSRR)
structures developed in [9] and [10] behave like band-
pass filters, i.e., the transmission is close to 1 at the
resonant point. It is evident that the band-pass sensor is
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more suitable than the band-stop sensor to characterize
the dielectric loss. This is because that the dielectric loss
is usually retrieved by the variation in the notch depth,
which is difficult to discern in a band-stop resonator,
thereby putting pressure on the design of peripheral
circuit.

However, due to conductor loss and radiation,
the resonant magnitude of band-pass sensor in the
measurement is usually much smaller than theoretical
value (i.e., 0 dB). To improve sensor resolution, it is
necessary to increase the quality factor as much as
possible. The active feedback loop with a microwave
amplifier can generate negative resistance to compensate
the resonator’s loss, and therefore was utilized to enhance
the sensor’s quality factor [11], [12]. In this paper,
an MCSRR-based sensor is presented for dielectric
characterization. The active feedback loop is employed
to improve the sensor resolution. The rest of this paper is
organized as follows. Section Il introduces the structure
of the proposed active MCSRR-based sensor, with the
operating principle discussed. Section Ill presents the
experimental validation, and some conclusions are
finally drawn in Section 1V.

I1. MCSRR-LOADED PLANAR SENSOR

Figure 1 shows the schematic of the proposed
microwave resonance sensor, which is composed of
an MCSRR and an active feedback loop. The MCSRR
can be viewed as a band-pass resonator, where the
transmitted energy reaches maximum at the resonant
point. The active loop is formed by connecting two
1.5 mm wide L-shaped microstrip lines through the
transistor, which is placed with 3.25 mm distance away
from the feedline of MCSRR. The transistor is MRF947,
which is a low-noise, high-gain amplifier with a unity-
gain current frequency of 10 GHz. The bending points of
two L-shaped microstrip lines are connected to VB and
VC, respectively, through a 2.2 nH inductor to bring the
DC bias voltage to the base and collector of the transistor
at resonance (1.64 GHz). The electrode and the emitter
of the transistor are grounded.

https://doi.org/10.47037/2021.ACES.J.360715
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Fig. 1. (a) 3-D view and (b) planar view of the proposed
MCSRR-based sensor.

The substrate is adopted as Rogers RO5880 with
dielectric constant of 2.2 and loss tangent of 0.0009. The
substrate dimension is 40mmx35mmx0.79mm. As shown
in Fig. 1 (b), the width of the microstip line port is 2.5
mm, which is exactly matched to 50 Q characteristic
impedance. Detailed geometrical parameters are listed in
Table 1. The MCSRR substrate occurs resonance when
the resonant cavity stores an oscillating and balanced
electric and magnetic energy. The resonant frequency
changes when the distribution of the electromagnetic
fields within the resonator perturbs. The change in the
resonant frequency can be related to the MUT properties
according to cavity perturbation theory:

Af,. fV(A5|E0|2 + AulHo|?)dv

fr - fV(50|E0|2 + polHy|2)av'’ @

where Af,. denotes the shift in the resonant frequency
fr, Ae and Ap are the variations in the permittivity
and permeability, , and u, are the permittivity and
permeability in vacuum, E, and H,, are the electric and
magnetic fields, and v denotes the perturbed volume.
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Table 1: Geometrical parameters (Unit: mm)

Parameter Value Parameter Value
w; 2.5 L 11
l, 11.25 I 4
a 10.2 b 12.2
s 0.8 g1 1
92 0.3 P1 0.5
Dy 0.38 D3 0.22
w; 15 d 3.25

Bias voltage (VB)
—=—0.2V 0.6V
—— 0.3V ——0.7V
0.4v —— 0.8V
—v— 0.5V —— 0.9V
1.0v

“1e2 164 1.66 1.68
Frequency (GHz)
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Fig. 2. (a) Transmission coefficient of the sensor with
different bias voltages. (b) Quality factor versus bias
voltage.
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Fig. 3. Transmission coefficient of the sensor with
different states of active loop. The bias voltage in the on
state is 0.8 V.

To investigate the influence of active loop on the
sensor quality factor, the frequency responses of the



designed sensor with active loop powered ON and OFF
are captured and compared. Firstly, the sensor response
of the original passive MCSRR-based sensor is
simulated using commercial software ANSYS HFSS.
HFSS is based on finite element method (FEM) that
utilizes solutions of Maxwell’s equations to compute the
scattering parameters of each port. Then, the simulated
scattering parameter matrix is input into the circuit
simulator ADS. Since the physical parameters of the
MCSRR structure, active loop, and lumped devices have
been fixed, the only variable parameter is the gain
controlled by the external voltage source (see Fig. 1 (b)).
As shown in Fig. 2 (a), by tuning the bias voltage,
the amplifier gain would be changed, thereby affecting
the frequency response significantly. Here, the sensor
quality factor is defined as the ratio of resonant
frequency and 3 dB bandwidth, i.e., Q = f,./f3q5. It is
calculated that the quality factor of passive MCSRR-
based sensor is about 92.8. With the bias voltage
increasing to 0.5V, the sensor response is almost
unchanged, while the quality factor is slightly increased
from 393.7 to 469.9. As the bias voltage exceeds 0.6 V,
the transistor enters linear operating region and generates
high gain, which greatly increases the sensor quality
factor. It can be seen in Fig. 2 (b) that the quality factor
reaches maximum value of 1931.9 as the bias voltage
equals 0.8 V. Fig. 3 shows the simulated sensor responses
with ON-state and OFF-state active loop (the bias voltage
in the oN-state is 0.8 V). As transistor is turned on, the
resonant frequency is reduced from 1. 646 GHz to 1.642
GHz, implying the active loop has little influence on the
resonant point and the measurement.
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l 2652.98
2463.81

2274.64
2085.48

1896.31
1707.15
1517.98
1328.81
1139.65
950.48
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382.99
e 0
193.82
4.65 dalea

Fig. 4. Distribution of the electric field magnitude on the
ground plane at the resonant frequency. The white dotted
box in the middle represents the sensing area.

Further, the distribution of the electric field
magnitude on the ground plane of the sensor is shown in
Fig. 4. It is evident that the electric field intensity is
mainly confined to the CSRR ring. The CSRR region,
which is marked by the white dotted box in Fig. 4, is
suitable to be used as sensing area to retrieve the
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complex permittivity of the MUT sample. To validate
the sensor function, an 8.5 mmx5 mmx1 mm-size MUT
sample is placed onto the sensing area of the proposed
sensor. The sensor responses to the MUT sample with
different complex permittivity are shown in Fig. 5. In the
simulation, the relative permittivity &, and loss tangent
tan &, of the MUT sample are varied from 1 to 10 and
from 0 to 0.1, respectively.

5

S, (dB)

tan 3,=0 tan 5,=0.06
——tan §,=0.02 — tan §,=0.08
tan 5,=0.04 tan §,=0.1

1.0 1.2 1.4 1.6 1.8 2.0
Frequency (GHz)

Fig. 5. Sensor responses for different values of (a) ¢, and
(b) tan &, when an MUT sample is placed on the sensing
area.
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Fig. 6. Fitting curves for (a) &, and (b) tan 6,.

Owing to the effect of active loop, the proposed
sensor possesses high quality factor, which is beneficial
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to the extraction of resonant point as well as the design
of peripheral circuit [13]. Moreover, as the loss tangent
is usually retrieved by the variation in the quality factor,
the sensor sensitivity in measuring the dielectric loss can
be improved by employing the active loop [14]. With the
help of curve fitting method, as shown in Fig. 6 (a), the
function between relative permittivity &, and resonant
frequency shift Af, is given as:

. = 1.0033 + 8.607Af, + 17.044Af?, 2
where Af, = (fy — fmur)/fa, fu denotes the resonant
frequency of unloaded sensor, and fyyr is the resonant
frequency of the sensor with the MUT sample loaded.

When ¢, is fixed, as shown in Fig. 5, the increase in
the loss tangent tan 8, would result in a decrease in the
quality factor. The loss tangent can be expressed as a
function of inverse normalized quality factor, i.e., Q,, =
Qu/Qmut, Where Q, and Quur represent the quality
factors of the sensors unloaded and loaded, respectively.
As shown in Fig. 6 (b), the loss tangent tan 6, increases
monotonically with the increase of Q, and the fitting
function is given as:

3 2
tan &, =ZQ§;-ZaU el (3)
i=0

j=0
The fitting coefficient a;; (i, j = 0, 1, and 2) is listed in
Table 2.

Table 2: Fitting coefficient a;; for retrieving loss tangent

j=0 j=1 j=2
i=0 | -0479% —0.7459 -0.276

i=1 | 5316x102 | -8.891x102 | 3.736x10
i=2 | 3745x102| -02256 | -4.297x10°3
i=3 | 5923x10° | —3.28x10° | 4.509x10°

I11. RESULTS AND DISCUSSION

To validate the ability of the proposed MCSRR-
based sensor in characterizing dielectric materials, a
prototype of the sensor was processed, as shown in
Fig. 7 (a). The input and output ports of the sensor are
mounted with 50 Q SMA connectors for measuring the
transmission data. The active loop is provided with 0.8
V bias voltage through the power supply. A number of
dielectric materials are prepared and the transmission
coefficients for testing these dielectric materials are
recorded through the Keysight E5071C vector network
analyzer (VNA).

Figure 7 (b) shows the measurement setup for the
fabricated sensor. An 8.5 mmx5 mmx1 mm-size sample
of the MUT is placed on the sensing area, and the
transmission coefficients are recorded with the VNA.
The measured sensor responses are shown in Fig. 8. For
unloaded sensor, the resonant frequency is 1.546 GHz,
and the quality factor is about 1288. The measured data
are deviated from the simulated values, which may be
due to the dielectric loss of resonator, the noises of the

ACES JOURNAL, Vol. 36, No. 7, July 2021

active loop, undesired signal at the frequency band, and
the impact of the fluctuations in the environmental
properties including temperature and humidity [15].
These deviations have little impact on the retrieval of
the permittivity [16], and can be further suppressed by
experimental calibration. For example, considering the
deviations caused by manufacturing inaccuracies, the
geometrical parameters of the fabricated sensor can be
measured to correct the simulations [17]. Moreover, the
measurement errors can be reduced by determining
the fitting coefficients experimentally or adding error
correction terms [18], [19]. Following the procedure
described in [19], the fitting expressions are updated to
increase the retrieval accuracy.

N

(b) ‘ n ;‘i

Fig. 7. (a) Photograph of the fabricated sensor and (b)
experimental setup.
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Fig. 8. Measured transmission coefficients.



Table 3: Comparison of the retrieved material parameters
with reference values

&, tand,
Meas. | Ref. | Meas. | Ref.
TP composite 1 1.85 | 1.83 0 <0.001
TP composite 2 223 | 2.2 0 <0.001
FR4 451 | 44 | 0.018 | 0.02

Based on the measured data and fitting expressions,
the complex permittivity of the MUT samples are
calculated and compared with the reference values
taken from manufacturer datasheets (see Table 3). The
measured values are basically consistent with the
reference values. Table 4 presents the comparison of the
proposed sensor with previous designs. It is found that
the proposed sensor has comparable performance but
higher sensitivity and smaller electrical size than
previous designs.

Table 4: Comparison of the proposed sensor with previous
designs

[11] [12] Proposed
Resonator SRR SRR MCSRR
fo (GHz) 152 | 1.03/1.14 1.546
Qq 1540 200 1288
Electrical size (12) | 0.132 | 0.121 0.052
Savg (1072 0.17 0.36 4.67
11l. CONCLUSION

In this paper, an MCSRR-based sensor was
proposed for characterizing dielectric materials. The
active feedback loop was employed to improve the
quality factor, which is beneficial to the sensor resolution
and the design of peripheral circuit. A prototype of the
proposed sensor was fabricated and measured. It was
demonstrated that the proposed sensor possesses high
quality factor, small electrical size, and high sensor
sensitivity, validating its potential for low-cost and
precise characterization of dielectric materials.
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Abstract — In this paper, a new method is proposed to
analyze the broadband electromagnetic characteristics of
electrically large targets by combining the precorrected-
FFT algorithm (P-FFT) with the near-field matrix
interpolation technique. The proposed method uses the
precorrected-FFT algorithm to reduce the storage and
accelerate the matrix vector product of the far field.
In order to make the precorrected-FFT algorithm can
calculate the broadband characteristics of electrically
large targets more quickly, the matrix interpolation
method is used to interpolate the near-field matrix of
the precorrected-FFT algorithm to improve the efficiency
of calculation. The numerical results obtained validate
the proposed method and its implementation in terms of
accuracy and runtime performance.

Index Terms— Broadband electromagnetic scattering,
interpolation technique, near matrix, P-FFT.

I. INTRODUCTION

As an accurate numerical method, method of
moments (MoM) is widely used to analyze various
complex electromagnetic problems [1]. However, the
storage and calculation of MoM are very large, which
limits the scale of solution to the problem. In order to
expand the solution scale of MoM, many fast algorithms
based on MoM are developed. It can be divided into
two categories: one is the algorithm related to the integral
kernel, such as FMM [2], MLFMA [3-4] and MLGFIM
[5], and a class of methods based on fast Fourier

Submitted On: April 30, 2021
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transform (FFT) (AIM, P-FFT, IE-FFT, etc. [6-14]).
The other is matrix compression method, such as the
adaptive cross approximation (ACA) algorithm [15-18],
skeletonization [19], etc. The analysis of broadband
electromagnetic scattering is very important for radar
target stealth and identification engineering. However,
it is necessary to obtain the broadband RCS data in
radar target identification engineering. It will take a lot
of time to solve the integral equation point by point at
each frequency point in the whole frequency band by
using MoM. In the process of obtaining the broadband
electromagnetic characteristics of the target, the
characterristics of these fast algorithms are different.
The methods based on fast multipole mainly use the
addition theorem of Green’s function in free space, so it
has the problem of "wavelet interruption”. The methods
based on fast Fourier transform (FFT) algorithm can be
used in wide frequency band, but the calculation
efficiency is not high if it is used directly. In the
analysis of broadband electromagnetic problem, the
grid of the highest frequency point is used to discretize
the target surface, which saves the time of preprocessing.
In addition, the electrical size of the target is constantly
changing in the process of frequency sweeping
calculation. Therefore, if the fast multipole method is
adopted, the setting of the bottom box must be
increased, which undoubtedly increases the storage
capacity of the near-field matrix.

In this paper, the precorrected fast Fourier transform
(FFT) algorithm combined with near-field matrix

https://doi.org/10.47037/2021.ACES.J.360716
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interpolation technique is proposed to analyze the
broadband electromagnetic characteristics of electrically
large targets. The precorrected-FFT algorithm is used to
speed up the solution of matrix vector multiplication.
Moreover, the impedance matrix is stored sparsely,
which reduces the memory requirement. At the same
time, the matrix interpolation method is used to quickly
fill the near matrix to improve the calculation speed.

Il. METHOD OF MOMENTS OF
ELECTROMANETIC FIELD

In order to solve the electric field integral equation
(EFIE) and magnetic field integral equation (MFIE)
numerically by the method of moments, firstly, the
conductor surface is divided into triangles, and then the
current density expressed by RWG basis function
expansion is substituted:

E'(M),, = jwyjs[js(F')+k—:L2V(V'jS)]

1)
G(r,r)dr_
cio Js(F) S
nxH'== —nxP.\/.LJS(r) @)
< VG(r, F)dr ",

where P.V. in (2) is Cauchy Principal value integral.

By using the Galerkin method, the RWG basis
function f_(r) is used as the testing basis function to

test the equations (1) and (2):

Zer® = k[ dsd, (F)-[ G(F, ), (")ds’

n

[V 3, ()] ], 6V, () e

7 e =%Lm 3. (F)-3,(r)ds
+Lm ds[AxJ,, (r)]-js" VG(F,F)xJ, (F)ds,

where, k and 7= ule denote the wave number and

(4)

wave impedance in free space. J, and J, are the test
function and the basis function, respectively, S, and

S, are their support sets.

Equations (3) and (4) are a series of linear
equations, which are abbreviated as follows:

N
sznln :Vm' m=1,2,---,N, (5)
n=1

The expression (5) in the form of vector can be
more succinctly written as the following matrix equation:

ZI=V, (6)
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which includes unknown current density I, elements of
impedance matrix Z and excitation vector V.

The single electric field integral equation and the
single magnetic field integral equation may encounter
the phenomenon of internal resonance when dealing
with the closed structure. That is to say, MoM matrix
formed by the electric field integral equation and the
magnetic field integral equation is almost singular or
has a large condition number at some frequency points.
However, the resonance frequency of the electric field
integral equation is different from that of the magnetic
field integral equation. Therefore, the combination field
integral equation (CFIE) is derived by linear combination
of electric field integral equation and magnetic field
integral equation:

CFIE = yEFIE + (1- y)nMFIE, (7

where, the parameter y(<[0,1]) is generally selected as

0.5. CFIE not only guarantees high precision, but also
has small matrix condition number.

1. P-FFT ALGORITHM

In P-FFT, the basis function is projected onto the
corresponding grid, and the potential of the basis
function is obtained by interpolating the potential of
the grid. Before applying the P-FFT, it is necessary to
construct a cube containing the whole solution domain.
The cube is evenly divided into a series of grids, and
the grid is further evenly divided into a series of
meshes.

Generally speaking, the P-FFT can be divided into
four steps: projection, convolution, interpolation and
precorrection. Finally, the P-FFT approximate expression
of Z, is obtained:

P-FFT _ (P—FFT)-far (P=FFT)- far
Zmn - (Zmn - Zmn ) + Zmn

(P—FFT)—near (P—FFT)-far (8)
=7 +Z,, ,
where the calculation formula of z - js:
Zr(nZ—FFT)— far _ R;’] HWn . (9)

The projection operator W projects the basis
function to the regular grid, the convolution operator H
calculates the potential of the regular grid, and the
interpolation operator R calculates the potential on the
basis function according to the potential on the regular
grid.

IV. INTERPOLATION TECHNIQUE OF
MOM MATRIX
Over the entire frequency band, the MoM matrix
element Z_ (f) is a function of frequency. Set the

frequency variation range as [f, f ], the scatterer is
discretized at the highest frequency, and adopt triangular
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mesh. The wavelength at the highest frequency is
recorded as A, . In this case, the expressions of matrix

elements of EFIE and MFIE are as follows:
E _ TF (7). T (7"
Za(t)=[ 08l a0 T,(rk,

L S 1 ]e MR Az (10)
v, I (V' I ([F)= |— T
h m( ) h r\( )kr:| R 472_
. 1
M — 4‘- 4’—_
2501 =|[, 8O3, ], ds N
L o e Al
Jm(r).nxJ.SH(A_h)ds Vi g x‘]n(r)} >

where, k., =27f,, the normalized frequency is
f,=f/f, in the interval [f,,/f,,1]. The following

changes:

25.(1) = ZT(” , 12)

where, the superscript S represents E, M, C.

E

Fig. 1. A PEC sphere with radius 1.54, .
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Table 1: CPU time comparison of different algorithms
for the three examples at 23 MHz (time: seconds)

Cartesian | Filling |Filling Time
Ex. Method Grid Time of | of the Near
Spacing | z™ |Partof Z™
Direct P-FFT | h=0.24, 21.6 0.5
A [The proposed | , _
method h=024, 08 05
Direct P-FFT | h=0.24, 19.6 0.4
B " Triangle- ~
Triangle h=024, 0.7 04
Direct P-FFT | h=0.24, 15.2 0.3
C [The proposed
method h=0.24, 0.5 0.3
Direct P-FFT | h=0.24, | 166.2 3.8
The proposed | |, _
D method h=0.24, 6.4 3.8
AIM h=0.14, 146.1 3.1

Considering the fluctuation caused by the phase
term e R the correction matrix elements can be
constructed as follows:

930
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25, (f,) f e
Zon (T,
where, the description of the relationship between S
and S, can be found in [20]. In this way, it becomes a
guadratic polynomial about > (f,).

s, NS, =0

. (13
S, NS, %0 (13

zfmm:{

Fig. 5. A PEC combination of hemisphere and cube.
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Fig. 6. Wide frequency band RCS curve of PEC
combination of hemisphere and cube.

The modified matrices at y, =f,/f, (i=0,12,3;
f, e[f,, f,]) which are optical frequency samples

are generated primarily in the cubic polynomial inter/
extrapolation method under investigation. The inter/
extrapolation formula for each f, is expressed as [21]:

2(1)=2 2 (0a(f), (14

where

=3 (f _y
o (1) = 1‘[( ’ y’J, (15)

i=0j=i\ Yi Y
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V. NUMERICAL RESULTS

In order to verify the correctness and efficiency of
the proposed algorithm, some numerical examples
are provided: a PEC sphere, a PEC cylinder, a PEC
combination of hemisphere and cube and a PEC missile
model. In all the examples, take the expansion order as
M =2 . When the Cartesian grid spacing is at the
highest frequency f, , itistakenas h, =h =h, =h.

Example A: A PEC sphere
Consider a PEC sphere which’s radius is 1.54,

with the incident angle of plane wave as shown in Fig.
1. The frequency range is [15 MHz, 30 MHz], and the
frequency interval is Af =1 MHz. The surface of the

sphere is discretized into triangular mesh with an edge
length of about A4, /10. 10461 RWG basis functions

are generated.

Figure 2 shows the broadband RCS curve with
scattering angle (6°,4°)=(40°,0°) obtained by using
the fast sweep frequency P-FFT algorithm. In the
calculation, direct P-FFT with point-by-point calculation
and the proposed method with interpolation technique
are used. The results show that the two algorithms are
in good agreement with the results of Mie series. Table
1 shows the time consumed by direct P-FFT and the
proposed method at 23MHz. It can be seen that the latter
significantly improves the computational efficiency. In
this example, the proposed method takes 546.2 seconds
to complete the full band calculation, while the direct
with point-by-point calculation takes 810.1 seconds.

18 Direct P-FFT
1 ¢ The proposed method
1> MoM
12
94
8 6 %
=
% 37 8
S %
4 04
3 £
64
-9
T T T T T T T T
0 20 40 60 80 100 120 140 160 180

6°(degree)

Fig. 7. Comparisons of the bistatic RCS of PEC
combination of hemisphere and cube at 16MHz.
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model at 11MHz.

Example B: A PEC cylinder
A PEC cylinder of length 54, and radius 4, is

shown in Fig. 3. The surface of the cylinder is
discretized into triangular mesh with an edge length of
4,110 about 12675 RWG basis functions. The
direction of incident plane wave and polarization
direction of electric field are shown in Fig. 3. The
frequency range is [15 MHz, 30 MHz], and the
frequency interval is Af =1 MHz.
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Figure 4 shows the broadband RCS curve with
scattering angle (6°,4°)=(70°,0°) obtained by using
the fast sweep frequency P-FFT algorithm. Direct P-
FFT with point-by-point calculation, the proposed
method with interpolation technique and MoM with
point-by-point calculation are used in the calculation.
By comparing the RCS obtained by the three
algorithms, it shows that they are good agreement.
Table 1 shows the time consumed by direct P-FFT and
the proposed method with interpolation technique at
23 MHz. It can be seen that the latter significantly
improves the computational efficiency. In this example,
the proposed method with interpolation technique takes
695.2 secon-ds to complete the full band calculation,
while the direct P-FFT takes 956.4 seconds.

40
304718
204

10

RCS/(dB)
T

Direct P-FFT

® The proposed method
© AIM

-30 T T T T T T T T

0 20 40 60 80 100 120 140 160 180
6°(degree)

201 ‘

Fig. 11. Comparisons of the bistatic RCS of PEC missile
model at 24MHz.

Example C: A PEC combination of hemisphere and
cube

A combination model of a PEC hemisphere and a
cube is considered. The surface of the combination
model is discretized into triangular mesh, and its edge
length is about A4, /10 . A total of 8471 RWG basis
functions are generated, as shown in Fig. 5. The incident
angle of incident plane wave is (8",¢™) = (0°,0°), and
the polarization direction of electric field is shown in
Fig. 5. The frequency range is [15MHz, 30 MHz], and
the frequency interval is Af =1 MHz.

Figure 6 shows the broadband RCS curve with
scattering angle (6°,¢°) = (125°,0°) obtained by using
the fast sweep frequency P-FFT algorithm. Direct P-
FFT with point-by-point calculation, the proposed
method with interpolation technique and MoM with
point-by-point calculation are used in the calculation.

Figure 7 and Fig. 8 compare the bistatic RCS at 16 and
23MHz. It is observed that the results of the proposed
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method agree very well with direct P-FFT and MoM.
Table 1 shows the time consumed by direct P-FFT and
the proposed method with interpolation technique at
23MHz. It can be seen that the latter significantly
improves the computational efficiency. In this example,
the proposed method with interpolation technique takes
710.1 seconds to complete the full band calculation,
while the direct P-FFT takes 975.5 seconds.

Example D: A PEC missile

To examine the correctness of the proposed method,
the broadband EM scattering from 5 to 30MHz of a
PEC missile model shown in Fig. 9 is analyzed, and
the frequency interval is Af =1 MHz. The model is

discretized with 98475 RWG bases.

In Fig. 10 and Fig. 11, direct P-FFT with point-
by-point calculation and AIM with point-by-point
calculation are compared. Figure 10 and Fig. 11
illustrate the bistatic RCS curves at 11MHz and 24MHz,
which differ from the interpolated nodes. The figure
shows that the results of the proposed method are in
good agreement with those of direct P-FFT point by
point calculation and AIM. Related data of the three
schemes are recorded in Table 1 at 23MHz. In this
example, the proposed method with interpolation
technique takes 4.1 hours to complete the full band
calculation, while the direct P-FFT takes 5.2 hours.
In this case, the proposed method with interpolation
technique reduces the total CPU time by about 22%
with almost no change in accuracy.

V1. CONCLUSION

In this paper, P-FFT and near-field matrix
interpolation technique are combined to analyze the
broadband scattering characteristics of targets. The
matrix interpolation technique is introduced into P-FFT
to improve the efficiency of near-field matrix filling,
and avoid the problem that the traditional P-FFT takes
too much time to calculate each frequency point. Finally,
numerical results verify the correctness and effectiveness
of the proposed method for calculating the broadband
RCS of targets.
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Abstract — This paper presents a new compact, high gain
and multiband planar bowtie slot antenna. The antenna
structure comprises of dielectric substrate, copper
conducting sheet, fillet triangular-shaped slots, and a
chamfered metallic ground plane. The proposed antenna
model is fed with the 50 Q standard grounded coplanar
waveguide (GCPW) feedline. The designed antenna is low
profile with compact dimensions of 0.3791.x0.186Ax0.012A
at 2.39 GHz frequency. Stable multi-resonant behavior
of frequencies is obtained with the material selection,
slots dimensions and position. Moreover, the parametric
study has been carried out in order to validate the
frequency tuning mechanism and impedance matching
control. The novelty of designed antenna lies in high
performance features which have been achieved with
ultra-compact (0.0394x0.022X) modified triangular shaped
metallic ground plane. The proposed antenna is fabricated
and experimentally verified. The antenna key features in
terms of return loss, surface current distribution, peak
gain, radiation efficiency and radiation patterns have
been analyzed and discussed. The designed radiator
exhibits the excellent performance including strong
current density, peak realized gain of 6.3 dBi, 95%
radiation efficiency, wide fractional bandwidth of 39.5%
and good radiation characteristics at in-band frequencies.
The simulation and measured results are in good
agreement and hence make the proposed antenna a
favorable candidate for the advanced heterogeneous
wireless communication applications.

Index Terms — Advanced Heterogeneous Wireless
Communication Applications, Bow-tie Slot Antenna,
Compact, High Gain, Triangular shaped Ground Plane.
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I. INTRODUCTION

In past few decades, the demand to integrate
multiple communication standards into a single device
is increasing rapidly [1]. At present, different modern
communication services are offered seamlessly by one
device at the same time. Besides, there are multiple
standards which can supports wireless local area
network (WLAN), wireless fidelity (WIFI), world-wide
interoperability over microwave access (WiMAX), global
positioning systems (GPS), radio detection and ranging
(RADAR) and satellite communication applications. It is
important to design a system which can support multiple
service standards and covers advanced heterogeneous
applications including the civil and military regime [2].
Therefore, it is still a challenging task for active
researchers to design a compact, multiband and high gain
antenna with miniaturized triangular shaped metallic
ground plane (MGP) specific for advanced heterogeneous
wireless communication applications.

In the last five years, the researchers proposed
several approaches and modified designs of slot antennas
to achieve the multiband features. These approaches
mainly focused on the different feeding networks
[31.[41.[5], etching out slots from the radiating patch
[61.[71.[8], defected ground structure (DGS) [9]-[11],
artificial magnetic conductor (AMC) loaded lattice [12],
complementary split ring resonator (CSRR) loaded
metamaterial cell geometry [13],[14],[15] and fractal
structures [16]. A dual-band antenna with cavity backed
substrate integrated waveguide (SIW) approach has been
reported [17]. The authors proposed annular ring slot
antenna, which exhibited narrowband features [18]. A
reconfigurable slot antenna with gamma shaped slots and

https://doi.org/10.47037/2021.ACES.J.360717

1054-4887 © ACES



PIN diodes for different applications has been suggested
[19]. A tapered slot antenna (TSA) array reported the
optimal performance with increased the number of
radiating elements [20]. These antennas have the complex
geometries and operated at a given range.

Furthermore, the planar antennas with different
configurations including U shaped slots and butter-fly
shaped parasitic elements [21], omega shaped strips cut
out from rectangular slot [22], slotted inverted omega
shaped MGP [23] and the single layer multi-element
approach planar antennas have been reported [24]. The
antennas achieved the different functions and cover
multiple wireless communication applications. In the
literature, antennas exhibited the dual-band triple-band
and quad-band response [25],[26],[27] with reasonable
performance. However, the suggested methods were
complex and time consuming.

Recently, modified designs of multiband antennas
have also been found in the literature. The authors
designed the simple antennas with embedded slots on the
radiator and obtained the penta-band and hexa-band
response [28]. A comb-shaped slot antenna with simple
configuration for penta-band applications was reported
[29]. A simple antenna with cut slots was fabricated on
Taconic material and obtained the penta-band response
[30]. A multiband antenna for wireless handset covered
lowest 6 GHz sub-band of fifth generation (5G) spectrum
[31]. A crossed line based rectangular ring shaped
multiband antenna fabricated on the flexible Roggers
substrate material [32]. A modified design of slot antenna
achieved the penta-band response with 2.3 dBi peak
gain [33]. The authors proposed a bowtie slot antenna
(BTSA) over 2-16 GHz frequency range and intended
radiator occupied 1800 mm? ample space [34]. Another
multiband antenna resonated within 1-7 GHz exhibited
the peak gain of 5.45 dBi [35]. A magneto-electric dipole
antenna achieved the multiband response with 6.6 dBi
gain operated within 1.5-7.5 GHz [36]. A planar antenna
with the multi-circular shaped slotted substrate exhibited
multiband response [37]. The antenna has larger size and
the peak gain and radiation efficiency is not reported. It
is worthy to note that the recent reported works on
compact multiband radiators have complex geometries,
larger dimensions and most of the designed antennas
achieved optimal results over short frequency range.
Also, it is well known fact that there is always a tradeoff
between antenna performance charactestics with compact
size, computational load and expensive material. Hence,
it is hard to achieve optimal results with simple and
compact geometry of radiators keeping in view with the
tradeoff among the multiple features of the intended
radiator.

The key contribution of this manuscript is explained
as:

% The proposed structure validates a new

geometrical structure of BTSA with compact
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electrical size 0.379Ax0.186Ax0.012A, which

constructs the more efficient model that not

only accelerates the optimization process but
also consumes less computational load.

« The defined variables have increased the
flexibility in terms of frequency tuning and
impedance matching controllability.

« The designed antenna operates over a broad
frequency span of 2-18 GHz in contrast to most
of the reported works which resonated at the
short frequency range.

% For the first time, the modified ultra-compact
triangular shaped metallic ground plane has
been designed with the advantages of antenna
miniaturized dimensions.

«» The proposed antenna has the simple geometry
and covers advanced heterogeneous wireless
communication applications.

« Finally, antenna performance is examined and
analyzed with recently published state-of-the-
art existing works. The antenna exhibits broad
fractional BW at required frequencies, peak
realized gain of 6.3 dBi and excellent radiation
efficiency performance of 95% which is higher
than most of the previous investigated antenna
designs.

In this paper, a new compact multiband BTSA
structure with ultra-compact triangular shaped MGP and
GCPW feedline is presented. The proposed antenna is
realized on low cost FR4 epoxy thick substrate. The
designed radiator exhibits penta-band response at 10 dB
return loss. The antenna has achieved high-performance
features including good fractional bandwidth (BW), high
realized gain, excellent radiation efficiency, strong
surface current distribution and stable far-field co-
polarization and cross-polarization patterns across the
standard planes. The design and simulation of the
prototype have been carried out with high frequency
structure simulator (HFSS) full wave electromagnetic
solver based on the finite element method (FEM). The
proposed antenna covers 5G spectrum, WLAN (2.3 - 3.4
GHz), H-band (6-7.35 GHz), X-band (8.4 - 12.5 GHz),
military airborne, naval and land RADAR (9.8 - 10.8
GHz), Ku-band (14.9 - 5.59 GHz) and satellite (17.17 -
17.37 GHz) frequency standard bands. Results reveal that
the proposed antenna is well suitable for advanced latest
heterogeneous wireless communication applications.

I1. PROPOSED RADIATOR
METHODOLOGY
The antenna development stages are shown in Figs.
1 (a)-(e). The proposed antenna model comprises of
dielectric substrate, copper conducting sheet (CCS),
triangular shaped slots, MGP and 50 Q GCPW feeding
structure. These elements are engraved on the top and
bottom side of the low cost FR4 epoxy printed circuit
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board (PCB) laminate material with the constant values
of relative permittivity &, = 4.4 and dielectric loss tangent
8 =0.02. The structure of proposed radiator from the top,
bottom and lateral view perspective is shown in Figs. 1
(e)-(g). The methodology of intended radiator is mainly
based on designing of triangular shaped slots and CPW
feedline above the thick substrate. CCS is embedded on
top of the substrate. The standard thickness value of the
copper material is chosen as 0.035 mm.

(a) Prototype-I

Lt nln

(c) Prototype-111 | 1 (d) Prototype v

(b) Prototype-11

Triangular-shaped slot

SOOM/SGM

—50 Q SMA Connector
(e) Proposed Radiator Top view

Chamfered Ultra-Compact
Triangular shaped MGP

X
(f) Proposed Radiator Bottom view

Low Cost FR4 Laminate 5;,1

Copper Conducting Sheet(CCS) . Dielectric Substrate

Metallic Ground Plane (MGP)
(9) Proposed Radiator Side view

Fig. 1. Development stages of antenna and proposed
radiator structure.

The triangular and rectangular slots are etched out
from the upper CCS and form a left-side bowtie arm
slot as depicted in Fig. 1 (a). Likewise, the right side
triangular and rectangular slots are etched out from the
upper CCS, which are exactly the mirror image of the
left side bowtie arm slot and form right side bowtie arm
slot as shown in Fig. 1 (b). The purpose of designing
rectangular shaped slots is to realize the CPW feed line

ACES JOURNAL, Vol. 36, No. 7, July 2021

as given in Fig. 1 (c). The dimensions of the feeding
structure are carefully optimized to achieve the 50 Q
input impedance. Fillet operation is performed at top and
bottom edges of the left and right (Larci2z = Rarci2 =
0.0079A) triangular shaped bowtie arms. These two
bowtie arm slots have fulfilled the symmetry property as
illustrated in Fig. 1 (d). The miniaturized rectangular
MGP with compact size of 0.039A x 0.022X is engraved
on the bottom side of the dielectric substrate and right
below the CPW feedline. The chamfered operation of
0.0183A is performed at the edges of MGP and thus
forms ultra-compact triangular shaped MGP as shown in
Fig. 1 (f). The proposed antenna possesses overall size
of 0.379Ax0.186Ax0.0121 (where A denote free space
wavelength at lowest resonant frequency of 2.39 GHz).
An approximated equations extracted from transmission
line model are used to compute the dimensions of the
triangular shaped bowtie arms and CPW feedline [38].

The return loss performance of developed antenna
prototypes is elucidated in Fig. 2. It can be analyzed that
designed antenna structure obtained the fractional BW of
39.5%, 36.7%, 19.35%, 4.25% and 1.16% at third, first,
second, fourth and fifth frequency bands. Likewise, good
matching performance and stable penta-band resonances
at targeted frequencies are observed.

104

=
(S,
i

N
o
i

Return Loss[dB]

= = Prototype-1
= = = Prototype-II
== Prototype-Ill

N
(S
i

30+ Prototype-1V |
= Proposed Radiator
35 T T T T T T T
2 4 6 8 10 12 14 16 18

Frequency[GHz]

Fig. 2. Developed antenna model’s return loss over
specified frequency range.

Table 1: Antenna optimized values, unit: (mm)

Variable | Optimized | Variable | Optimized
Symbol Value Symbol Value
Lbs 47.6 Lecs 47.6
WDS 234 WCCS 234
Hbs 1.6 X 5
XL 11.57 Y 2.3
Yo 20 z 2.3
Xr 11.57 Yr 20
Whrs 1.2 Lrs 1.1




Further, the rectangular slots, dielectric substrate,
CCS and MGP size (length and width) affects the
proposed radiator performance. The chamfered and fillet
operations are performed on the bowtie arm slots and
MGP. This modification has the great impact on the
multi-resonant performance and impedance matching
control of the radiator. The proposed antenna exhibits
overall optimum performance by carefully selecting
defined variables values. The geometrical dimensions of
the proposed antenna are listed in Table 1.

111. SIMULATION RESULTS ANALYSIS
This section explains and analyzes the multi-
resonant frequency tuning, matching performance, and

surface current distribution of the proposed antenna.

A. Influence of Lrs, Wbs and Weccs

Tuning of three bands is observed with the variation
of three important variables as shown in Fig. 3. The
multiple resonant bands centered at 2.86 GHz, 15.5 GHz
and 17.5 GHz (first, fourth and fifth resonances) are
tuned with the rectangular slot (Lrs), dielectric substrate
(Whps) and copper conducting sheet (Wccs) dimensions.

-
(¢2]
i

nN
o
i

Return Loss[dB]
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35

2 4 6 8 10 12 14 16 18
Frequency[GHz]
Fig. 3. Tuning and impedance matching control of

multiple resonances across the operating frequency
range.

It can be analyzed from Fig. 3 that the Lgs value
varies from 8.5 mm to 11.1 mm with the step size of 0.5
mm and Wps, Weccs values vary from 20.8 mm to 23.4
mm to achieve perfect matching at the higher values.

B. Influence of rectangular slot width (Wkrs)

The influence of rectangular slot width (Whrs)
variation with step size of 0.2 mm across frequency is
displayed in Fig. 4. One can observe shifting of the two
bands centered at 6.72 GHz and 10.6 GHz (second and
third) towards the lower and upper frequency range. As
displayed in Fig. 4, optimum results are obtained at 1.2
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mm which shows stable and good impedance matching
over specified frequency.
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Fig. 4. Tuning and impedance matching control of
resonances across the operating frequency range.

C. Influence of metallic ground plane (MGP)

The impact of MGP on overall performance of the
proposed antenna is portrayed in Fig. 5. This impact is
analyzed by simple MGP, chamfered MGP and absence
of embedded MGP scenarios. One can observe that the
antenna achieves required stable multiband response
with chamfered MGP.

Return Loss[dB]

N
(S2]
i

1 = = =Without Etched MGP
Without Chamfered MGP
= Chamfered Ultra-compact Triangular Shaped MGP

w
o

35

2 4 6 8 10 12 14 16 18
Frequency[GHZz]

Fig. 5. Impact of chamfered MGP on the impedance
matching across the frequency span.

D. Influence of different substrate material

In order to technically validate the stable multiband
response, it is essential to verify the proposed radiator
performance with different substrate material. The
results of substrate materials are compared and depicted
in Fig. 6. One can observe that the antenna achieves the
perfect matching with stable desired resonances at 10 dB
return loss by using the FR4 substrate material.
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Fig. 6. Simulated results of different substrate material
correspond to specified frequency.

E. Surface current distribution (Jsurf)

The concentration of current across the surface of
radiator is analyzed and discussed in order to validate
the effective working of proposed antenna. The current
distributed density across the proposed antenna lattice at
multiple resonant frequencies is depicted in Figs. 7 (a)-
(e). It can be seen that at lower resonances i.e. 2.86 GHz
and 6.72 GHz, the strong current is concentrated along
the structure of the radiator and 50 Q GCPW feedline.
However, a diminutive variation in circulation of current
at higher resonances for example, 10.6 GHz, 15.5 GHz
and 17.5 GHz, can be noticed on the upper and lower
front edges of radiator. The above analysis concludes
that the current is equally distributed across the proposed
antenna structure which confirms the babinet’s optic
principle for slot antennas.
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Fig. 7. Surface current distribution (Jsurf) across the
proposed antenna lattice at multiple resonances.

IV. EXPERIMENTALLY VALIDATED
RESULTS

This section mainly focuses on the experimental
results of return loss, peak realized gain, radiation
efficiency and co-polarization and cross-polarization
far-field two dimensional (2D) radiation patterns. The
fabricated antenna sample photograph along with top
and bottom view is shown in Figs. 8 (a)-(b). The pin
(inner conductor) of 50 Q SMA connector is carefully
soldered at middle of the GCPW feedline, which is
engraved on top of the substrate. The outer conductor is
connected to the chamfered ultra-compact triangular
shaped MGP, which is embedded on the bottom of
substrate as shown in Fig. 8 (b).

(b)

Fig. 8. Fabricated sample of the proposed radiator: (a)
top view and (b) bottom view.



A. Return loss performance

The fabricated antenna model is tested to validate
simulation results. The simulated (blue) and measured
(dashed red) return loss results across the specified
frequency range are compared in Fig. 9. The antenna
model is connected to one port of calibrated keysight
PNA-X N-5245B network analyzer.
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Fig. 9. Simulated and measured return loss performance
across the operable frequency range.

It can be seen from Fig. 9 that the return loss
performance of the designed and fabricated model is
well coincides. One can observe a slight shift of the
resonances in the measured result. A close agreement is
clearly seen among the simulated and tested results.
However, the deviation in experimental and simulation
results is mainly due to the fabrication tolerances in the
manufacturing of the substrate material, thickness, loss
tangent or relative permittivity values, and imperfect
soldering.

B. Peak realized gain and radiation efficiency

The simulated and measured results of peak realized
gain and radiation efficiency against the given frequency
range are plotted and compared in Fig. 10. The antenna
model simulation result (blue) achieved the high gain
of 6.3 dBi and 5.72 dBi at 15.5 GHz and 17.5 GHz.
Similarly, fair and acceptable gain is observed at other
resonances. The peak realized gain of fabricated sample
of antenna was measured with two identical ridge horn
antennas with known gain. It can be seen from Fig.
10 (dashed red streak) that about 1 dB deviation in
measured and simulated gain results is observed which
validates the performance of fabricated prototype. The
radiation efficiency simulation result of the proposed
antenna model (black curve) shows high performance
of 95%, 90%, 88%, 75.4% and 74.9% at in-band
frequencies. An effective pattern integration method
was applied to measure the radiation efficiency. The
proposed antenna radiation efficiency measurement
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results are slightly deviated in comparison with the
simulation results as can be seen from Fig. 10 (dashed
pink streak). The results have revealed the practical
performance of designed sample across the operational
frequency span.

7 100
= Simulated Radiation Efficiency[%)]
= = Measured Radiation Efficiency[%] 95
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Frequency[GHz]

Fig. 10. Simulated and measured peak realized gain and
radiation efficiency against the operable frequency
range.

C. Co-polar and cross polar patterns

The radiation patterns in principal planes of the
proposed antenna are measured inside the anechoic
chamber under far-field condition. The placement of
device under test (DUT) is shown in Figs. 11 (a)-(b). The
fabricated antenna prototype co-polarization and cross-
polarization radiation patterns in elevation (E-plane) and
azimuth (H-plane) are measured inside the chamber
room. The measurement indoor facility walls are covered
with radio absorbing material. DUT was placed on the
azimuth rotator and move around 360°. The rotary table
has been controlled by the positioner controller and
connected to the computer with ethernet cable. The
standard ridge gap horn (transmitter) and the DUT
(receiver) have been fixed in line of sight (LoS) at a
certain distance which fulfilled the far-field condition.
Besides, the microwave cables are connected to the
antennas and with the ports of vector network analyzer
(VNA). A computer has been installed to monitor the
measurement results, execute the commands and save
the measured data.

Fig. 11. DUT placement in anechoic chamber.
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The simulation and measurement results of co-
polarization and cross-polarization in principal planes at
in-band resonances are displayed and compared in Figs.
12 (a)-(j). The co-polarization and cross-polarization
pattern results of the proposed antenna in E-plane at
multiple resonances are shown in Figs. 12 (a), (c), (e),
(9) and (i). The antenna exhibits near omni-directional
radiation pattern of co-polarization in E-plane at in-band
resonances. One can see the simulation results at higher
resonances are changing gradually. At higher resonances
cross-polarization level is slightly increased. The
cross-polarization level is almost -20 dB at targeted
resonances. It is found that the measurement results of
co-polarization and cross-polarization radiation patterns
are slightly deteriorated as the frequency increases and
nulls are observed at higher resonances. Further, the co-
polarization and cross-polarization antenna results in
H-plane at multiple resonances are portrayed in Figs. 12
(b), (d), (), (h) and (j). The antenna exhibits nearly
monopole like co-polarization and cross-polarization
radiation pattern at lower resonances. A slight change in
radiation patterns at higher resonances is observed. One
can analyze that the simulation and measurement results
show a diminutive shift and slightly deteriorated. The
deviations in measured results at principal planes are
mainly due to the fact of losses inside measurement
chamber facility, rotation of the antenna model and SMA
radiation. The overall measured radiation patterns at
in-band resonant frequencies are well coincide with
simulated results.
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180
Simulated H-Plane Co-pol
Measured H-Plane Co-pol
Simulated H-Plane Cross-pol
+ Measured H-Plane Cross-pol

(b) YoZ-plane @ 2.86 GHz

Simulated E-Plane Co-pol
Measured E-Plane Co-pol
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Measured E-Plane Cross-pol

(a) XoZ-plane @ 2.86 GHz
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180 180
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(c) XoZ-plane @ 6.72 GHz
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(d) YoZ-plane @ 6.72 GHz
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Fig. 12. Simulated and measured co-polar and cross-
polar far-field patterns across the principal plane at
multiple resonances.

V. LITERATURE COMPARISON

The performance comparison of the proposed
antenna with state-of-the-art work is compared in
Table IlI. It can be seen that the proposed antenna is
miniaturized, low profile and exhibited the optimal
performance in terms of peak gain and radiation
efficiency. The proposed antenna is very smaller in size
and decreases in overall occupied space of 84.5%, 38.1%
and 36.34% in comparison to Refs. [29]-[31]. The
antenna reported in [29] obtained a higher gain with
compromised overall occupied space. It can be noticed
that the radiation efficiency of the antennas were not
focused in [5], [33] and [35]-[37]. From the comparison
analyzed results, it is evident that most of the reported
works on multiband antennas cover a small frequency



span as compared to the proposed multiband BTSA.

Table 2: Proposed radiator performance comparison
with state-of-the-art investigated multiband antennas

Ref. Electrical Size (7;) pﬁgﬁﬁg% Gaip Efficiency
[LosxWbs] (mm?) [Hos] (mm) (dBi) (%)
v(v)oL:’L 0.3791x0.186A 0.012A 6.3 95
[29] 0.6941x0.484\ 0.003A 6.46 79
[30] 0.53Ax0.48\ 0.0091 5.37 94.8
[31] 0.9661x0.485\ 0.013A 2.86 17
Not
[33] 0.9661x0.485\ 0.004\ 2.5 | Reported
(NR)
[5] 0.099Ax0.165A 0.0135 A 3.0 NR
[35] 0.35Ax0.220 0.0079 A | 5.45 NR
[36] 0.42%x0.13A 0.16 A 6.6 NR
[37] 0.4891x0.351A 0.024 1 NR NR

V1. CONCLUSION

In this article, a new compact high gain and
multiband BTSA with miniaturized triangular shaped
MGP has been proposed and investigated. The antenna
is realized on the low-cost FR4 epoxy thick substrate.
The antenna prototype has miniaturized dimensions of
0.3792x0.1861x0.012A. Influence of multiple variables
have been analyzed and discussed. Analysis of surface
current distribution at multiple resonances has been
investigated. The proposed antenna model exhibited an
excellent performance of return loss, peak realized gain,
radiation efficiency and stable far-field co-polarization
and cross-polarization radiation patterns. The designed
antenna obtained the wide fractional bandwidths at in-
band resonances. High gain of 6.3 dBi, 5.72 dBi, 3.64
dBi, 2.89 dBi and 2.58 dBi are achieved at 17.5 GHz,
155 GHz, 2.86 GHz, 6.72 GHz and 10.66 GHz
resonances. The proposed antenna showed an excellent
radiation efficiency performance of 95%, 90%, 88%,
75.5% and 74.9% at in-band frequencies. The designed
antenna has been fabricated, tested and experimentally
verified. The simulation and measured results are in
close agreement and hence make the proposed antenna
as an excellent choice for advanced heterogeneous
wireless communication applications.
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