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Abstract — Traveling-wave magnetic resonance imaging
(MRI) can be advantageous over the classical, quasi-
static or near-field MRI. However, it is restricted to
ultra-high static magnetic fields in the scanner and the
correspondingly high RF excitation magnetic field
frequencies due to fundamental constraints in cutoff
frequencies of the MRI bore, considered as a waveguide.
Through a computational study, we propose translating
traveling-wave ideas to a 3-tesla scanner, where the RF
magnetic field frequency is 127.8 MHz, using a high-
permittivity dielectric layer (lining) that is built into the
bore. With the lining, we can achieve traveling-wave
modes inside the imaging phantoms even at 3 T, where
this is generally not possible. We present results obtained
using the higher order method of moments in the surface
integral equation formulation, previously established
as an efficient, accurate, and reliable technique for
modeling of RF fields in MRI applications. Our
simulations of a simple circularly polarized RF probe
and dielectric lining give rise to a considerably uniform
circularly polarized RF magnetic field inside phantoms
in the clinical scanner.

Index Terms — 3-tesla MRI, bioelectromagnetics,
computational electromagnetics, magnetic resonance
imaging, RF coils, RF magnetic field profiling,
traveling-wave MRI.

I. INTRODUCTION
In magnetic resonance imaging (MRI), the
phenomenon of nuclear magnetic resonance (NMR) is
employed in order to extract the imaging information.

Submitted On: October 7, 2019
Accepted On: March 26, 2020

In short, the imaging subject is immersed into a strong,
static, homogenous magnetic field, Bo (e.g., Bo=3T
in 3-T scanners). This main polarizing field, generated
by the main coil, known as the magnet, is axially
polarized, i.e., in line with the longitudinal axis (z-axis)
of the subject. Consequently, the nuclear magnetic
moments of the atoms within the imaging subject
(typically Hydrogen atoms) practically align with Bo
and precess around it at the Larmor frequency fo
(proportional to By). In the plane perpendicular to the
z-axis, a circularly polarized RF magnetic field, By, is
then applied in resonance with the precession, i.e., at fo,
in short pulses. This flips the plane of precession of the
nuclei during the pulse duration. By receiving the RF
signature emitted during the relaxation of the nuclei,
i.e., the return of the precession into the axial direction,
the MRI images are generated. For this purpose, a strong,
homogeneous, circularly (e.g., right-hand) polarized RF
magnetic field By is highly desirable.

Whereas most MRI machines in human medical
practice operate at 1.5 T, state-of-the-art clinical MRI
scanners are 3-T systems (Bo=3T), i.e., high-field
(HF) magnets, with MRI bores measuring typically
60 cm in diameter, which allows full-body human
subjects. Advanced clinical centers run 3-T scanners
because higher By values yield higher signal-to-noise
ratio (SNR), that can be traded for higher spatial
resolution, which enables imaging of small details or
hard to reach areas inaccessible by 1.5-T scanners, and
thus considerably improved diagnostics at 3 T over 1.5 T.
However, 3-T scanners are yet far from constituting a
majority of MRI machines in hospitals, where 1.5-T

1054-4887 © ACES
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scanners still prevail by a very large margin in part
due to higher costs but also due to RF field (B1)
inhomogeneity issues, specific absorption rate (SAR)
constraints, etc.

Indeed, one of the main areas of engineering
research in advancing HF MRI scanners is in improving
exciters generating RF-excitation magnetic fields,
B1, the so-called RF coils at 3T. For 3-T clinical,
preclinical, and research MRI scanners, the RF coils are
mostly birdcage coils [1]. Recent developments aimed
at improving B: field uniformity of body coils in
preclinical scanners at 3 T include various modifications
of the birdcage coil, such as a birdcage coil with
detached endcaps [2], TEM coils [3-5], and spiral coils
[6]. Birdcage coils and their variants are, however,
designed as close-range or near-field volume coils.

Traveling-wave (TW) magnetic resonance imaging
(MRI), unlike a near-field MRI, functions by using the
MRI scanner bore as a waveguide in which desired
traveling-wave modes are excited. However, TW MRI
is primarily reserved for ultra-high-field (UHF) systems,
i.e., for MRI scanners with Bo >4 T, due to fundamental
constraints in cutoff frequencies of TW inside hollow
waveguides [7]. In 3-T systems, the Larmor frequency,
and the frequency of the B field, is fo = 127.8 MHz [8].
This falls considerably below the cutoff frequency of
the bore considered as a cylindrical waveguide, even
when loaded with a human body. On the other hand, the
potential benefits of TW MRI include large field of
view (FOV) coverage, robust RF sources, field profile
engineering with a variety of available modes, and
a more comfortable open environment. Some of the
promising developments for UHF TW MRI are
multichannel probes or patch antennas [9], helical-
antenna RF coils [10], dielectric linings [11], and meta-
bores [12]. At clinical strengths, as the bore becomes
wider, it is important to design a homogeneous RF field
profile without compromising patient’s comfort. Here
we propose translating TW MRI ideas to 3-T scanners
using a specially designed high-permittivity dielectric
layer built into the bore. The TW with dielectric lining
may complement a body RF coil inside wide-bore
clinical scanners.

1. METHOD AND MATERIALS
For our computational study, we used the higher order
method of moments (MoM) in the surface integral
equation (SIE) formulation [13,14]. Previously, we
had thoroughly verified and validated the higher-order
MoM-SIE technique in modeling of RF fields in MRI
applications in both HF and UHF MRI regimes by
comparisons against two well-established commercial
full-wave computational electromagnetics codes [8,
10, 15, 16]. These are a MoM code WIPL-D and a
finite element method (FEM) code ANSYS HFSS. The
simulations setup of concentric and coaxial three-layers
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metallic waveguide (D = 60 cm) is shown in Fig. 1. The
MRI bore is lined with a layer of dielectric from the
inside with thickness Tp =5cm. The dielectric layer
(lining) consists of high-permittivity material with
g =132, iw=1, 6 =0.03 S/m. To investigate RF field
profiling, we carried out our simulations with two
phantoms of different geometries. The first phantom is
a saline-filled uniform cylinder (L=1m, D =15cm,
& = 81, 6 =0.6 S/m), as shown in Fig. 1 (a). To eliminate
a standing wave, the phantom has an additional saline-
filled buffer at the far end of the bore of length
Lc=40cm. The second phantom is a human body
model filled uniformly with saline solution (g =81,
6 =0.6 S/m), as depicted in Fig. 1 (b). To excite RF
fields inside the phantoms, we used a pair of
capacitively loaded Tx/Rx loop-coils in orthogonal
arrangement, Fig. 1 (c), driven in quadrature that are
capable of generating circularly polarized (CP) RF field
(needed for MRI) inside the bore [17]. The center of the
loops is located at the opening of the bore, Fig. 1 (a).

Dp=60 cm L5=200 cm

= ‘M%TD:S cm
T ~
— " .‘ Lp=14 cm

L7=60 cm

(@)

Lc=40 cm
Lp=100 cm

Lp=181 cm

Excitations

Capacitors

(©)

Fig. 1. Simulations setup of lossy-dielectric (saline)
phantoms inside a 3-T MRI bore with a dielectric layer
(lining): (a) cylindrical phantom; (b) human body
phantom; and (c) orthogonal capacitively loaded Tx/Rx
loop-coils excited in quadrature, to achieve circular
polarization of the magnetic field along the bore axis.
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11l. RESULTS AND DISCUSSION

The simulations of RF magnetic field (B1) profiles
inside the dielectric cylindrical phantom in the 3-T bore
[Fig. 1 (a)] without and with the dielectric lining are
shown in Figs. 2 and 3-4, respectively. Note that the
scale for B values is adopted to be the same in all graphs
in Figs. 2-4, for ease of reference and comparison.
With this, the maximum value of 1 nT in the graphs is
certainly not optimal (it is too high) for the graphs
in Fig. 2 individually, but it enables direct visual
comparison of B field intensities between the two
distinct cases considered, the structure without and with
the dielectric lining, so between the respective graphs in
Figs. 2 and 3-4. Figures 2 (a)—(b) and 3 depict the right-
hand CP (RCP) RF magnetic field, usually denoted as
B:*, propagating inside the phantom without and with
the lining, respectively, in coronal and axial planes. The
longitudinal field profile with the lining, in Fig. 4 (a),
produces a slight bump at the entrance of the phantom
but stabilizes at a relatively constant initial value. Both
longitudinal and transverse profiles, in Figs. 4 (a)
and (b), show a very predominant RCP component of
the transverse Bi, Bi*, over the left-hand CP (LCP)
component, B;~, and hence an excellent B1*/B;~ ratio,
desirable for MRI.

From Figs. 2 (a)—(b), the Bi* field inside the
phantom without dielectric lining is of very low
intensity, particularly when compared with the same
field when the lining is inserted in the structure, in Figs.
3-4. Also, it produces unfavorable rapid decay along
the z-axis, Fig. 2 (c), dropping significantly after
distance of z=0.25 m. On the other hand, the same
field with the lining, as can be observed from Figs. 3
(a)—(b) and 4 (a), shows excellent propagation along the
bore and maintains above one half of its peak strength
in the longitudinal plots throughout the entire phantom.
In addition, in the bore with the lining (Figs. 3-4) the
same field is much stronger, i.e., it is about five times
stronger around the peak strength in the longitudinal
plot in Fig. 4 (a) than in Fig. 2 (c) (with the same
excitation in both figures) and about eight times
stronger around the peak strength in the axial cross
section at z=0.15 m. This difference increases even
further into the phantom where at the center of the
phantom the peak strength is about 30 times stronger
when the dielectric lining is used. Moreover, the field
profile in the axial cross section in Fig. 4 (b) shows
symmetric and relatively lower B;~, component than in
Fig. 2 (d), indicating better B1*/B;~ ratio in the right
hand side of the figure. Finally, we note that stronger,
non-decaying, and more uniform B*, as well as better
B1*/B:~ ratio, in all cross sections in Figs. 3-4 than
those in Fig. 2, will ultimately lead to better SNR in the

MRI image [1] in the bore with the dielectric lining.
Unmodified 3-T scanner may allow propagating TW
modes in larger phantoms with appropriate excitations.
However, we here choose the parameters (narrow
diameter of the cylinder and long distance Lz = 60 cm
from the probe) that normally do not support TW.

IBY[[nT] Y=0

0.075 1
| _ i 0.5
-0.075 0
0 0.25 0.5 0.75 1
Distance inside the phantom Z [m]

(@)

|BY[nT]
0.075

1
O . DOS
-0.075 0

-0.075 0 0075
X [m]

(b)
|BY & B | [nT]atX=0, Y=0

X [m]

Y [m]

;
— 8]

05+ T
8|

0 0.25 0.5 0.75 1
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(©)
1871818 1nT]

:
—I8}]

0.5 — 18]

1B, [InT]

S —
0
075 0 075
Y [m]

(d)

Fig. 2. Simulations of B; field in the cylindrical saline
phantom in the MRI bore at 3 T [Fig. 1 (a)] without
dielectric layer: (a) 2-D Bi* field profile in central
coronal plane; (b) B;* profile in axial plane at z=
0.15 m; (c) B:* (blue) and B, (red) longitudinal field
distributions; and (d) transverse field distributions. The
scale for B values is adopted to be the same (maximum
value 1 nT) as in Figs. 3 and 4 (on the next page), for
gasier comparison.
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[ B: [[nT] Y=0
0.075

E o . | os
x
-0.075 - N : d 0
0 0.25 0.5 0.75 1
Distance inside the phantom Z [m]
(@)
¥
(b)
B1*| [nT]
|BY1[nT] 7
1 mia

Y [m]

A 5

0.075 1
’ ; . 1 nos
-0.075 : 0

20075 0 0075 l
X [m] K, A

(© (d)

Fig. 3. 2-D B;:* field profiles in the cylindrical saline
phantom for the MRI bore with dielectric lining as in
Fig. 1 (a), to be compared with Figs. 2 (a)—(b): (a)
MoM-SIE results for the central coronal plane; (b)
ANSYS HFSS (FEM) solution in the coronal plane; (c)
MoM-SIE simulation for the axial plane at z=10.15 m;
and (d) HFSS results in the axial plane.

The MoM-SIE simulation model with the cylindrical
phantom without the dielectric lining employed 800
elements with 2,640 unknowns and the simulation time
was 20.95 seconds. The model with the cylindrical
phantom with the dielectric lining had 5,808 elements
which yielded 14,416 unknowns and the simulation
time was 224.34 seconds. The simulations were run on
a desktop computer with Intel i7-3770 CPU (3.4 GHz)
and 16 GB RAM. In addition, we show in Figs. 3 (b)
and (d) the results obtained by ANSYS HFSS, and an
excellent agreement between the MoM-SIE [Figs. 3 (a)
and (c)] and HFSS solutions is observed (having in
mind the differences of the color maps and unavoidable
mesh imprints). Note that the two solution approaches
used for comparison are completely different, both
conceptually and numerically; the MoM-SIE is a
surface modeling technique that solves boundary
integral equations for currents, while HFSS is a

ACES JOURNAL, Vol. 35, No. 3, March 2020

volumetric modeling technique that solves partial
differential equations for fields.

|B;'|&|B'1|[nT]atX=O,Y=O

1
R
/\_‘__—’_—w

E
=5
03 —IBI7
m
0
0 0.25 05 0.75 1
Distance inside the phantom Z [m]
(@)
+ -
|BY &8 |[nT]
1 +
= —IB,|
< -
= 05 —IB,l
-

0\/
075 0 075
Y [m]

(b)

Fig. 4. B1" and B~ field distributions for the MRI bore
with dielectric lining [Fig. 1 (a)] in (a) longitudinal and
(b) transverse directions, for comparison with Figs. 2

(©)—(d).

We extended our simulations to a human body
model uniformly filled with saline [Fig. 1 (b)], and the
results are given in Figs. 5 and 6 for the bore without
and with the dielectric lining, respectively. Overall, we
observe a pattern similar to the cylindrical phantom
along the human body phantom with the dielectric lining
bore (Fig. 6) and rapid decay without lining (Fig. 5).

It can also be concluded from Figs. 5 and 6 that the
dielectric lining significantly improves the B1* strength
as well as the B1*/B;1~ ratio within the imaging subject
with all associated benefits already discussed in the first
example. The lower B;* at the shoulders corresponds to
the Gaussian field profile of the dielectric-lining bore.
The MoM-SIE simulations of the structure with the
human body phantom model involved 1,566 elements
and 6,112 unknowns without the dielectric lining, and
simulation time was 220.24 seconds. When the dielectric
lining was added, these parameters increased to 2,798
elements, 14,432 unknowns, and 377.92 seconds. Further
optimizations of the field profile may include higher
dielectric constant material for the lining as well as
non-uniform permittivity & along the z-coordinate to
compensate for the drop of the field in various body
regions, such as the neck. Similar effects, qualitatively,
can be achieved using dielectric pads [18] or collars [8].
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Fig. 5. Simulations of the human body model phantom
in the MRI bore at 3 T [Fig. 1 (b)] without dielectric
liner: (a) B1* in coronal plane; (b) Bi* (blue) and By~
(red) profiles along the z-coordinate, inside the phantom.
The RF coils are located at the opening of the bore
(head side); the head of the phantom is at the isocenter,
so the lower part of the body is outside of the bore
(z>1.2m).
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Fig. 6. The same as in Fig. 5 but for the MRI bore with
dielectric lining as in Fig. 1 (b).

In terms of realizability and implementation, high-
permittivity materials are more available (as opposed
to metamaterials, like negative € and negative p, and
double negative metamaterials, as well as most other
metamaterials suggested for lower-field TW MRI [19]).
They are widely used in dielectric resonators based on
BaTiO3 compounds, where & can be up to 300. Other
realizations are possible as well.
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IV. CONCLUSIONS

This paper has proposed translating traveling-wave
ideas to a 3-T scanner, where the RF magnetic field
frequency is considerably below the cutoff frequency of
the bore, using a high-permittivity dielectric lining built
into the bore. Our simulation model with a dielectric
layer and a simple circularly polarized RF probe gives
rise to a relatively uniform TW with an excellent
RCP/LCP field ratio inside the phantom in the 3-T
clinical scanner. The dielectric lining could be
incorporated into the wide bore to shape the B; field
profile from the body RF coil or for TW MRI at lower
Bo fields. Future work will include optimization of
dielectric lining parameters and investigation of the
impact of a non-uniform layer on a heterogeneous
human body model.
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Abstract — Method of moments (MoM) is an essential
tool to model electromagnetic wave interactions with
three-dimensional targets. Numerical integration is a key
technique in MoM. Due to the singular nature of Green's
function, MoM requires special treatment in the
calculation of singular integration, which is usually time-
consuming. In this study, the barycentric subdivision
method is investigated to compute numerical integration
in three-dimensional surface integral equations. This
method allows a uniform treatment for both singular and
non-singular integrals. Numerical examples show that
this method could reach the same level of accuracy as the
singularity extraction method for RWG basis functions,
and the computational time of setting up the matrix can
be reduced by half.

Index Terms— Barycentric subdivision method, Method
of moments (MoM), Rao-Wilton-Glisson (RWG) basis,
singular integration, singularity extraction method.

I. INTRODUCTION

Rao-Wilton-Glisson (RWG) basis [1] has been
widely used in Method of Moments (MoM) for modeling
electromagnetic wave interactions with 3D targets.
While setting up the matrix equation of MoM, we usually
use numerical integration to evaluate the source integrals
and field integrals, both of which contain the Green's
function. Because of the singular nature of the Green's
function, the integrals need to be treated carefully when
the domain of the source integral overlaps with the one
of the field integrals. The commonly used techniques
include singularity extraction [1,2], Duffy coordinate
transformation [3-5], polar co-ordinate transformation,
and etc.

The singularity extraction method was proposed by
Wilton et al. [1]. This method evaluates the non-singular
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part of the integral by numerical quadrature and the
singular part by analytical formula [2]. Khayat and
Wilton proposed a simple and efficient numerical
procedure, which uses singularity cancellation scheme
[6]. Khayat et al. further optimized this method for the
integration scheme [7]. Vipiana and Wilton presented a
purely numerical procedure to evaluate strongly near-
singular integrals in the gradient of Helmholtz-type
potentials for observation points at small distances from
the source domain [8]. Popovic [9], Geng and Tong [10,
11] also applied potential integral method to computing
singular integrals based on bilinear surface modeling.
Wang and Nie et al. used the singularity transferring
method to calculate the integral with 1/R singularity in
its integrand and remove the small area, which makes
zero contribution to the numerical integration [12]. Hua
and Xu reduced the order of singularity and avoided the
coincidences between the source and field points [13].
Wu et al. extracted the strong singularity of Magnetic
Field Integral Equation (MFIE) and used the integral
domain transform to eliminate the residual mild
singularity [14]. Vipiana and Wilton presented a simple
and efficient numerical procedure for evaluating singular
and near-singular source vector potential integrals
involving junction basis functions based on a double
transformation, which could cancel singularities [22].
Jarvenpaa presented recursive formulas by which they
can extract any number of terms from the singular kernel
and generalize the singularity extraction technique for
surface and volume integral equation with high-order
basis functions [23]. These methods can compute the
singular integral with good accuracy. However, we have
to carefully separate the singular and non-singular
integral so that they can be treated differently. Also,
compared with non-singular integrals, the singular
integrals are more expensive to compute. It can become
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a bottleneck in computing time for method of moments.

The Duffy coordinate transform method was
proposed by Duffy [3]. This is a simple transformation
that facilitates the evaluation of integrals with singular
integrands at a vertex. Zhao and Nie et al. used domain
decomposition and Duffy coordinate transformation
to remove the singularity in the integrand [4]. Botha
presented a new family of systematically constructed
near-singularity cancellation transformations, which
yields quadrature rules for integrating near-singular
kernels over triangular surfaces based on Duffy
transformation [5]. Zhang and Sun constructed a general
variable transformation based on the idea of diminishing
the difference of the orders of magnitude, which can
remove the near singularity efficiently by eliminating the
rapid variations of the integrand in nearly singular
integrals, and improve the accuracy of numerical results
[23]. Duffy transformation eliminates the singularity
in the integral through coordinate transformation and
evaluates the integral numerically. But the non-singular
and singular integrations are still treated separately.
Besides, the errors of the numerical quadrature would
increase for triangles with small aspect ratios. Because
Duffy transformation requires coordinate transform and
computation of quadrature points, fast evaluation of the
singular integrals is still a challenge.

In this work, we studied the barycentric subdivision
method, which is also known as the nine-point numerical
integration, for computing integrals in MoM. It was
originally applied to image rendering in computer
science [15]. Makarov introduced the method into RWG-
MoM [16], and he stated in his works that this technique
was not very accurate. Hence, this method has not been
widely used. Xiang et al. also studied this method in
2017 [21]. In this method, the singular integrals are
evaluated in the same fashion as the non-singular ones,
which allows a uniform treatment of the numerical
integrals. Therefore, the time of setting up the MoM
matrix equation can be reduced. Numerical examples
showed that the accuracy is still in remained in the
results.

Compared with [16], more details of the barycentric
method are studied in this paper, especially its numerical
accuracy, which is compared with one of the singularity
extraction schemes. The accuracy is important in the
application of the scheme for solving electromagnetic
problems. Based on both derivation and numerical
examples, we found that the accuracy of this scheme is
comparable to the singularity extraction scheme. A more
detailed convergence analysis of the numerical accuracy
of this scheme is presented. It is proved that the integral
will converge when the triangle gets smaller, similar as
other integration schemes. This scheme is only applied
to EIFE in reference [16], we also investigated its
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applicability for MFIE, PMCHWT and FEM-BI
formulations. It seems to work as well.

This paper is organized as follows: Section Il
describes the formulation. In Section Ill, numerical
examples are given to show the efficiency and accuracy
of this method. In Section IV, a convergence analysis is
carried out. Section V summarizes this work.

Il. FORMULATION

A. Electric field integral equation (EFIE) for PEC
targets

The electric field on the surface of a perfect electric
conductor (PEC) target satisfies the following integral
equation [17, 18]:

Ax L) = AxE™@,r e S, (1)

where
=_ . =, N T . " cr
L(Q) = jkoﬁqu J@)6(x, T)dS' + k—o j j V' . JE&'WG(r, t)ds',
2

where G(r,r'") denotes the Green’s function in free space,
J denotes the scaled electric current density on the
surface of the target. Discretizing J by RWG basis and
applying the Galerkin's method, we can setup a matrix of
MoM with elements as [18]:

2. = Joff £ ff, £.606, a5 s

B k%ﬁ\, V. fw(r)[ﬁm V' f (r)6(r, r’)dS’JdS, 3)

where Zmn represents the electric field generated by the
n-th basis function and tested by the m-th basis function.
fm(r) and fu(r) represent the RWG basis functions, which
can be written as:

1/ .
2 p*(r), r in T'

Y
£,(r) = Ly o, (r),r in T, (4)
24, !
0, otherwise

where T denote the two triangles associated with the m-
th edge, A; are the areas of triangles T, and p* are

the vectors defined in Fig. 1, other symbols are the same
as those in reference [1].
The integral in Eq. (3) then becomes:

Zo = ko [ -z Kir, £, las
24,"

]lll

+ kg == [ @, - ) - Alr, £, lds

m

) /‘{TZ} J-J.V,‘: &)[r, f”(r,)]js ! /(JT]/IJ; H/‘”T &)[r, f"(r,)]js ' (5)
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Tlll+

i

Fig. 1. RWG basis function defined on the m-th edge.

In this method, we can use one-point quadrature for
the field integral. The barycenter of the m-th triangle
elements is chosen as the testing point. The matrix
element Zm, can then be written as:

7, - ﬂ%%(r“ Cr) A, £00)]

mn m 1 111 4

+ Jk, ’”(r —r) Al £ ]

_ Jk': B, (r')]+k—:d)[r,§’, £,(r)]- (6)

Here rSt is the barycenter of triangle in the m-th basis

function, A and ® represent the source integrals, which
can be written as:

r ]n ’ ’ e’.//"op ’
Alr, £,e)] = — v J‘JA?(r - ) —ds
//rg
47; 2 B N
N J/\o/?
@ 5! 5’
I £,60] = prs A* 47r A ®)
where R = ‘ . The source integration in the n-th

patch can be calculated by the barycentric subdivision
method.

B. Magnetic field integral equation (MFIE) for PEC
targets

The magnetic field on the surface of a perfect
electric conductor (PEC) target satisfies the following
integral equation [17, 18]:

%j+ﬁx/?(j)=1§><Hj’”(r),1“650, 9)
where £(T) = §f T x VG(r, s’ Using the same

method as EFIE, we can get the impedance matrix
elements for MFIE as:

z, = éﬁ £,(r) - £, (")dS
+ ﬁ £, - [ﬁ x ﬁ f (') x VG(r, r')dS’}dS, (10)

1 ef//s ok
here, Vi(r,r') = (—jk, — —) —;
R Ak

Now the source integral for the singular point is
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extracted for separate analysis. We defined the Hi(r) as:
H(r) = ﬁ f,(x") x V&(r, v)ds’

- _ L ﬁ (—jk, — 1 oMkt rdst. (11)
2A/1 a R 471']?2 !
e 0
I
field point r
R l i-1
R; | 1 \

. source poinq
|

.

K | i+1
Fig. 2. The related vector and scalar location relationship
between the field point and the source point coordination.

Figure 2 depicts the geometric relationship between
the vector and the scalar, which are involved in the
formula; substituting R = R, — 0’ into equation (11),
which will take the cross product out of the integral.
Equation (11) can be written as:

1 . 1, e
H (r) = ER, x ﬁ (k, + }) .

R’ pds".

The integral of impedance matrix element, which is
related to the m-th and n-th edges, can be written as:

AR [(m* m + 1,(m™, n)

(r —1,) Vr, £, 1dS

N 17 Hr(rj—r)~\7[r,fﬂ(r')]d5, (12)

24,
where,
11 .
20 (pet —r) - (et -, et e T
84"
. L1, s b emy et .
1w = x) 6 - x e T, (13)
0, otherwise
11 .
S, ) - x) e
84F
- ]Ill]ll c— ’ c— c— -
1(m, n) = —8 . (I‘j -r)- (I‘j -r),r, el (14)
0, otherwise

2

N i J— R
Wir, £,G)] = i, x @ - x [ @ DUk, +5) s
247 r R 4xk

. 1, e/
JI, = + ® 4

» (15)



here, 71, is the outer normal on the patch of the m-th
edge.

After using the one-point quadrature for the field
integral about r, the matrix element Zm, can be written as:
Z, = I,m*, n) + I,(m~, n)

mn

Lo, @ =) h, x @ =) x [[ @ =R

16724,

1,1 >+ ~ c+ ’ ’ Vel ’
—e(rpt - A, x (T =) x [ @) - e (RS
1674 7,

1,1 oy s o Y. '
L (r, —r.) - A, x @ -1l x .U @' - )RS
1674, - T

n

11 . ~
+ e (r, —1) - a, x (@ 1) x || (& - )RS (1
167[A; J m m m J J‘J‘T,,’ J ’( 6)

N 1 e—ﬂq,l(
where, ¢(®) = (k, + E) VE

The remaining source integrals about r’ in the
above equations can be calculated with the following
nine-point integration method.

C. Barycentric subdivision method for numerical
integration

We can apply the barycentric subdivision method
(the nine-point quadrature) to the source integral in Eq.
(6) and Eq. (16). Each edge of a triangle is equally
partitioned into three parts to construct small triangles as
shown in Fig. 3, and the small circle "~" in the figure
represents the barycenter of the triangle element.

Fig. 3. Nine-point subdivision of a triangle element,
where the small circle """ denotes the barycenter of the
triangle element, "." denotes the barycenter of the sub-

triangle elements.

Each triangle is divided into nine equal-sized sub-
triangles as shown in Fig. 3. The source integral of the
patch can then be approximated by the nine sub-triangles
with the same weights. Since these nine triangles have
the same area, the integral can be written as:

jjT"G(r,r')dS':%iG(r,r'ﬁ , (7)

By using similar process, the integral in MFIE can be
written as:

ﬂ; @' - )6, r)ds' = % D - ) ry), (18)
" k=1
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where r';, denotes the quadrature points shown as Fig. 3.
The quadrature point of the field integral resides on the
barycenter of the patch (triangle), so the quadrature point
of the field integral will not coincide with the one of the
source integral. Therefore, the value of the integrand will
not become singular.

I11. NUMERICAL EXAMPLES

A. Computation of radar cross section (RCS)

Case 1: We consider the plane wave scattering of
a PEC sphere with radius of 1m. We use the Mie series
result as benchmark. The incident plane wave has
frequency of 300MHz, #™=0°, #"°=90°, and vertical
polarization. The surface current is computed using the
nine-point numerical integration method. The bistatic
RCS with VV polarization (vertical polarization excitation
and vertical polarization reception) is computed with
EFIE and MFIE respectively when the observation angle
at #=0° and € [0°, 180°]. In the computation, the
current on the sphere is partitioned into 4527 unknowns.

+- EFIE-NP
——Mie

3
<}

50

+- MFIE-NP
——Mie

IS
S

N
S

Bistatic RCS(dBsm)
o

Bistatic RCS(dBsm)
o

50 100 150 200 ~0 50 0 150 200
Theta/Degrees(Phi=0) Theta/Degrees(Phi=0)

(@) (b)

Fig. 4. The calculation on bistatic RCS: (a) bistatic RCS
for PEC sphere solved by EFIE, and (b) bistatic RCS for
PEC sphere solved by MFIE.

From Fig. 4 (a) and Fig. 4 (b), we can see that the
numerical results have a good agreement with the Mie
series results [17, 18, 20]. We can also see that the
proposed method works not only for the EFIE equation
but also for the MFIE equation.

Case 2: In order to further validate the efficiency of
this method to other integral equation and structures, a
dielectric sphere and a dielectric cube are computed with
PMCHWT and FEM-BI equation, respectively.

15
——PMCHWT
e Mie

== FEM/BI
—MOM

Bistatic RCS(dBsm)
Bistatic RCS{dBsm)
o

5
[} 50 100 150 200 0 50

100 160 200
Theta/Degree(Phi=0) Theta/Degree(Phi=0)
(@) (b)

Fig. 5. Bistatic RCS: (a) dielectric sphere solved by
PMCHWT, and (b) dielectric cube solved by FEM-BI.

253



254

The dielectric sphere has ¢,=2.5, radius = 1m, the
number of unknowns after discretization is 6875. The
dielectric cube has ¢,=2.5, side length = 1m, the number
of unknowns is 4440. The incident plane wave has the
same parameters as Case 1.

From Fig. 5 (a) and Fig. 5 (b), we can see that the
numerical results agree well with the Mie series results.

From the above two examples, we can see that this
method can be applied to various integration equation and
complex structures.

B. Matrix setup time

Using the parameters of Case 1, a comparison of
matrix setup time between the nine-point numerical
integration and the singularity extraction method is
shown in Table 1.

Table 1: Comparison of Matrix setup time

Matrix Setup Time (seconds)
Unknowns | Nine-point Numerical Singularity
Integration Extraction
1197 10s 17s
4527 2m20s 4m26s
6993 5m45s 10m34s
18297 46m30s 88m12s
50886 367m20s 700m40s

In Table 1, the previous four models are computed on
a PC with Intel(R) Core(M) i5-4690K, CPU@3.5GHz/64,
RAM 32G, and the last example is a server with Intel(R)
Xeon(R) E7-8857v2@3.0GHz, 4 cores, RAM 1.5T.

From Table 1, we can see that the barycentric
subdivision method can save nearly half of the setup time
compared with the singularity extraction method.

IV. CONVERGENCE ANALYSIS

A. Theory on the barycentric subdivision method

In this section, we will study the convergence of
numerical integration using the barycentric subdivision
method.

| %3

(b)

Fig. 6. Six sub-triangles around the singular point in a
triangle element and vector in a sub-triangle. (a) The six
small sub-triangles (the shaded area) around the singular
point (barycenter of triangle), and (b) the vector for three
vertices and quadrature point in a sub-triangle.
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The source integral becomes singular when its
integration domain overlaps with the field integral. In this
case, the source integrals over 6 small triangles around

the barycenter "o" in Fig. 6 (a) will have singularity at one
of their corners, i.e. the barycenter”o" of the triangle.

We can analyze these singular integrals based on
the Duffy transform. It transforms from the original
barycenter coordinate system (£1,E,63) to a new
coordinate (u,v), as shown Fig. 6 (b) below (here v, is the

vector of the singular point"o"when the field point O is
overlapped with v;):

r =4V, + &V, + &y
=uv, +v(l-u)v, + 1-Vv)A—-u)v,, (19)
here vy is the vector of the singular point, £3=1-&1 —&p,

then the singular integral for one sub-triangle can be

transformed into:
e IkR Pt
[ :fsTdS = Ajs‘r_—vldéldéz

= Jko (L-U)[W +({1-V) Vg vy

101Q
=A
JO -[0 W, +(1-V)V; — V|
where A denotes the area of one sub-triangle S. The

integral on S is then converted to a 2-fold integral of u
and v, respectively. Now we can define the function a(v):

a(v)=k, |vv2 +(1-v)v, —v1|

=Ko [V (v, = V5 )+ (v, —v,)|
From Eq. (21), we can see a(v) is linear with the size of
triangle, As the mesh of the target becomes denser, a(v)
will be smaller, so the analytical expression Ip of integral
| forvis:
1 dy 1-e7 W 1 dv
o= AL 2w e~ Mohagy @)= Ak /a(0)(22)
where a(¢) is derived from the mean value theorem for
definite integrals [19].

Since the Duffy transformation can eliminate the
singularity when the field point overlaps with the singular
point as shown in Fig. 6 (a), we can try to eliminate the
singularity when the field point at the sub-barycentric
point, and further compare these two integral value. The
quadrature for the above integral on each sub-triangle
samples the domain of integration at (¢1,&2) =(1/3,1/3),
namely (u,v)=(1/3,1/2) in the new coordinate, substituting
the u=1/3, v=1/2 into Eq. (20), the numerical integration
on the sub-barycentric point is:

I, ~ Ak, /a(l/2). (23)

The numerical difference between I, (based on Duffy

transform at the singular point) and /. (based on Duffy
transform at the sub-barycentric point) is:

Ip — 1, =~ Ak,[l/a(¢) -1/a(1/2)]. (24)

This difference is only related to the area A. When
the area A of triangle tends to zero, the numerical
difference I, — I, will converge to zero as well. This can
ensure that the error is only related to the mesh density,

dvdu, (20)

(21)
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and convergence of the integral has a good agreement
with the traditional Duffy method.

B. Convergence analysis based on numerical
experiments

To verify the convergence of the barycentric
subdivision method, we compute the bistatic RCS for a
PEC sphere with EFIE and MFIE, respectively.

We compute the RCS with the nine-point method
and traditional singularity extraction method (S-E)
respectively. These two method are compared with Mie
series results respectively. The results are shown in Fig.
7.
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Fig. 8. The area of the triangle changes with L.

Table 2: Comparison of integral value

The Size of Area (L) The \{alue qf Integral for.llR
— 5 — The Nine-point | Analytical
8. 4 s @ [T Nine-point 1 4.218747139 | 5.132335663
ek 5 0.5 0.527344286 | 0.641542614
g - 0.25 6.59E-02 8.02E-02
2 2 0.125 8.24E-03 1.00E-02
ﬁ 2 w -20 0.125/2 1.03E-03 1.25E-03
e = 0.125/2/2 1.29E-04 1.57E-04
Mesh density ° %0 \tesh density 8 0.125/2/2/2 1.61E-05 1.96E-05
(a) (b) 0.125/2/2/2/2 2.01E-06 2.45E-06
0.125/2/2/2/2/2 2.51E-07 3.06E-07
Fig. 7. Comparison of relative error in RCS. (a) EFIE and 0.5/2/2/2/2/2/2/2/1000 2.17E-16 2.64E-16
0.5/2/2/2/2/2/2/2/1000/2 NaN NaN
(b) MFIE.
- . . 5
The relative error is defined as: 5 10 ———
error =10 log(|RcS ,, = RCS , |/|RCS o (25) PRy o _Analytical
o
and the mesh density is defined as: 3
S
> 10
mesh density = \/E <A (26) 5
S 8 10
> 10 |
where N denotes the numbers of unknowns, S denotes E
the surface area of the sphere, and A denotes the wave 10'1;0 pye e

length of the incident wave. From Fig. 7, we can observe
that the error decreases as the mesh density increases.

C. Computation of integrals of 1/R
To check the convergence, we also study the singular
integration on a triangle as the below:

1=ff [ﬁ @ R)ds}ds , @7)

where R denotes the distance between the source and
field point.

In Fig. 8, the size of the area zooms step by step, and
the side length L declines by half every time. The value
of integration for Eq. (27) is shown in Table 2.

It can be seen from Table 2 that the results of the
nine-point method agree well with those of the analytical
method. Besides, the two methods diverge at the same
time when the area of the triangle becomes too small due
to the limited machine precision. In summary, this
illustrates that our method is applicable to the cases
where the mesh size is small enough.

Area of triangle

Fig. 9. Convergence for 1/R

The above integral is computed by both the
nine-point integration and the analytical method [1],
respectively. Figure 9 shows the values of | with respect
to mesh density using the two methods. They agree well
with each other.

V. CONCLUSION

In this study, we investigated the barycentric
subdivision method. We studied the numerical
convergence of this method for singular integration by
both theoretical analysis and numerical examples. We
observe that this method converges at the same level of
accuracy as other method such as the singularity
extraction. This method avoids the complex treatment of
singular integrals and allows a uniform procedure for
both singular and non-singular integrations in method of
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moments. Numerical examples show that this method
can reduce the matrix setup time by half. We hope this
study could help us to further understand this method and
extend its applications in solving 3D scattering problems
using method of moments.
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Abstract — This work presents the effect of material
properties on three infrared nano antennas that are
rectangular, bowtie, and elliptical-shaped designed to
collect a maximum field in the gap between the two
dipole arms over a frequency band of 28-29THz. The
dipole shapes are comprised of conducting dipoles
printed on a dielectric substrate. The bowtie is designed
to be curved with an exponential shape, and itis found
to collect a higher value of the electric field in the gap
than do the other two shapes. The above antennas are
investigated with different materials for the dipoles and
the substrate to study the effect of material variation
on the electric field collected in the dipole gap. Three
different types of conducting materials, namely, gold,
chromium, and titanium are used. It is found that the
collected gap field intensity is directly proportional to the
conductivity of the dipole material. The effect of three
different types of substrates; quartz (GaAs), silicon, and
SiO2 on the collected gap field is also investigated.

Index Terms — Electric field, energy harvesting, infrared,
nano-antenna.

I. INTRODUCTION

Solar energy has recently been viewed as one of
the most accessible sources of renewable energy [1], and
it can be harvested by using antennas that operate at
infrared or visible frequency bands [2]. Several infrared
antennas with different geometrical shapes have been
investigated in the literature including rectangular [3, 4];
circular [4] spiral; bowtie [5, 6, 7, and 8]; dipole [9, 10,
and 11]; elliptical [12]; and Vivaldi [13].

Optical antennas are currently being used for
various medical applications such as breast cancer
treatment [14]. To treat cancer, optical antennas are
placed in contact with the malignant breast. The antenna
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is excited by a near infrared plane wave. The intense
field in the antenna gap resulting from the excitation
causes arises in the distribution of local temperature,
which helps destroy the cancerous cells. Additionally,
these antennas are also used as biological sensors [15].
The infrared rectenna (antenna+rectifier) is
comprised of a receiving antenna, designed for infrared
frequencies, together with a rectifying diode, which
converts the infrared waves into electric power. Optical
and infrared rectennas are superior to the photovoltaic
cells, whose conversion efficiencies are limited [7]. The
rectennas use the natural energy of the sun (lights), and
in contrast to the photovoltaic cells, their conversion
efficiency can reach up to 100% [7]. Generally, the
rectenna needs to be designed such that it harvests
the maximum amount of energy from the impinging
electromagnetic wave. In addition, good impedance
match between the rectifier and the antenna is required
[7] to achieve a maximum power transfer. Nano-
antennas should be optimized to realize the maximum
field intensity for the specific operating frequency.
Finally, the electromagnetic study and numerical
simulations of the nano-antennas designed with real and
special materials, dimensions, and substrate thickness is
actually a challenge. The simulation of nano-antennas
with thin substrate layers such as nanometers and
without substrate is already have been performed to
obtain the maximum field intensity at an operating
frequency. The objective of this paper is twofold; the
first one is to study the effect of the conducting material
of the nano-antennas based on the structures presented
in [21], in order to collect maximum energy at the
resonance frequency of 28.3 THz. The second is to study
the effect of the substrate material on maximizing the
electric field intensity across the antenna gap. Analysis
of the obtained simulated results shows that the using of
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the high conductor material, Gold, leads as to have the
highest gap electric field intensity for any structure. The
choice of the Quartz as a substrate for these nano-
antennas allow a better collection for the electric field in
comparison with the most used substrate material;
Silicon (Si) and Silicon oxide (SiO2).

This paper is organized as follows: Section Il
describes the geometries of three proposed antennas in
detail, using the Drude model to describe the conductors’
properties in terahertz frequency band. Following this,
Section Il presents the simulation results and discussions.

I1. ANTENNAS DESIGN

The proposed IR nano-antennas were designed for
harvesting of solar energy over the frequency range of
28-29 THz. The three different antenna shapes presented
in [21] are optimized to realize a maximum level of
the electric field intensity at 28.3 THz. The antennas
are printed on a dielectric substrate and placed on a
conducting ground plane. The ground plane has a
thickness of 0.2um which may improve the antenna
coupling of the substrate.

Each of the three shapes are investigated to
determine the effect of choosing the dipole shape as well
as its material properties on the level of energy that is
possible to collect in the gap.

Wsy Wz

y
L‘
-

Fig. 1. The structure of the proposed dipole optical
antenna: (a) rectangular, (b) bowtie, and (c) elliptical.

(a) (b) ()

First, we start to study a simple rectangular dipole di
to its advantages related to its small dimension, low
cost, light weight and its manufacturing feasibility. The
proposed rectangular dipole antenna is shown in Fig. 1
(a). We note that each rectangular arm has a length
Lq¢=1.8um, width of W4=0.15um, separation gap of Gd=
Wmin=0.05um and conductor thickness of 0.08pum. The
dimension of the substrate is Ls1=3.8um and Ws1=1.2 pm.

Next, we studied a modified bowtie antenna.
Usually the bowtie antenna consists of two triangularly
shaped arms. However, here the two arms of the bowtie
are designed to have a curved exponential shape,
represented by (1), where V is the curvature coefficient,
Whax and Wi, are the maximum and the minimum
widths of the tapered arm respectively, and B is given
by (2). Figure 1 (b) shows the proposed curved bowtie
nano-antenna. The conductor thickness is 0.1um and its
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gap size is 0.05 pm. The geometrical parameters of this
structure are Ws=4 pm, Lo=7pm, Wp=2.52um, Lp=2.5um,
Wmin=Gp=0.05um, Wma=5.05um, and V=0.8pum:
g(x) = B(eVx — e™Vx) 4 Tmin, )
Wmax—=Wmin
= Z(ev% e 2)

The third proposed shape is an elliptical dipole,
whose conductor thickness is 0.1um. As shown in Fig. 1
(c) the dimensions of the structure for the elliptical
dipole are Lg=17pum, Ws3=4 um, We=1.6um, Le=8um
and the gap width is G¢=0.05 um.

All three dipoles were printed on a substrate that has
an area of 3.8x0.2um? and thickness of 100pum.

While the metal is considered as a perfect electric
conductor at lower frequencies, e.g., RF. This is not the
case at infrared frequencies in which it is plasmonic in
nature [16] and is typically represented by the Drude
model to describe the transport properties of electrons in
materials [17]. The complex permittivity €. is given by:

€. = g +ig,. 3

The Drude model of €. is represented via the

expression:

— _ wp1? wpa?
€ = €o w2-ifw  wo2-w2+iyw (4)
2 . . .
In (4), where wy= % and &, is the contribution of
0

the bound electron to the permittivity, y denotes the
damping frequency, w, is the plasma frequency, w
represents the angular frequency and w, corresponds to
the angular frequency. It is shown in [17] that expression
in (4) agrees well with the experimentally measured
dielectric properties of metal. Figures 2 (a) and (b)
show that the variation of real and imaginary parts of
permittivity for different metals, such as gold, copper,
silver, chromium and titanium, still have good
conductivity and low losses at the frequency range of 1
to 30 THz. It can be seen that the electrical permittivity
varies from one metal to another and it decreases as the
frequency is increased.
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Fig. 2. The variation of the real and imaginary parts of
relative permittivity for various metals.

Table 1: Real and imaginary part of relative permittivity
at 28.3 THz

Conductor £ £

Gold (Au) —5605.6 2243.2
Copper (Cu) —4261.8 1186.2
Silver (Ag) -5061.3 1566.1
Chromium (Cr) | -1132.5 563.18
Titanium (Ti) —306.94 301.73

The three antennas mentioned above, are simulated
by using the Computer Simulation Technology (CST)
[18] program package, where the metal properties of the
gold are calculated by using the Drude model and are
inserted in the CST Microwave Studio. The imaginary
part of the permittivity is associated with the ohmic
losses, which should be as low as possible. Alternatively,
we can maintain the chmic losses to be low by choosing
a metal that has a significant real negative part. Table 1
lists the real and imaginary parts of the relative complex
permittivity for five conductors of gold, copper, silver,
chromium, and titanium.

1. RESULTS AND DISCUSSIONS

A. Effect of the conductor

Gold, silver, aluminum and copper are the three
widely used materials in optical applications [19]. Gold
and copper have almost the same dielectric and
conduction properties with similar responses to Drude
at less than 2.1 eV, and the beginning of inter-band
transitions occurring around 2.3 eV (530-550 nm). These
two types of materials generally have a good conductivity
in the infrared region, whereas Titanium has a low
conductivity compared to other metals previously studied.
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In the terahertz frequency band, the conductivity of the
metal is complex, given by:

0 =0, +io,, (5)
where o,and o, can be calculated by using the following
equations:

01 = £, W, (6)

0, = g9(g; — Dw. @)

The conductivity of different metals is calculated at
different frequencies by using the above expressions.
Figures 3 (a) and (b) show the variations of the
conductivities of different metals vs frequency. It is
obvious that the conductivity of the metals reduces as we
increase the frequency. Also, the real and imaginary
values of the conductivity for gold are higher than those
of other metals because gold is characterized by its high
absorption of radiation at terahertz frequencies [7]. Silver
and copper have conductivity values that are near — but
less than — that of gold. This can be noticed in Table 2.

Since the conductivity of titanium is the least among
the selected metals, we can anticipate that the titanium
antennas will collect less electric field than would the
others. This can be seen from Figs. 4 (a), (b) and (c),
which present the results for the three different dipole
shapes.

The gold is chosen for the rectangular, curved
bowtie and elliptical dipole shaped antennas which
realize field strengths of 350.75, 429.858, and 330.01
VIm, respectively, at 28.35 THz. This choice is based
on the results obtained from the simulation of these
antennas and are shown in Fig. 3. A set of conductors are
used for each dipole, instead of a single conductor for
each arm. By combining gold with chromium, gold with
titanium, and chromium with titanium. Figures 4 (d), (e),
and (f) show the effect of the conductors on the collected
electric field in the gap for the three different dipole
shapes. It can be seen that the structures with the gold
collect the higher electric field than the other structures.
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Table 2: Real and imaginary part of conductivity at 28.3
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Conductor o, (S/m) 0, (S/m)

Type

Gold(Au) 0.33728% 107 | —0.84305x% 107
Copper (Cu) 0.18855% 107 | —0.67762 X 107
Silver (Ag) 0.25012x 107 | —0.80856 x 107
Chromium (Cr) | 0.08889 x 107 | —0.17893x 107
Titanium (Ti) 0.047507x 107 | —0.04848 x 107
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Fig. 4. The effect of metal type on electric field variation
versus frequency for (a,d): rectangular, (b,e): curvature
bowtie, and (c,f): elliptical antenna.

B. Effect of the substrate

The choice of the dielectric material plays an
important role in the design of antennas. The best
strategy is obviously to choose a substrate that has a low
loss. At infrared, the type of the substrate plays a very
important role where we attempt to improve the electric
field amplitude in the gap of the antenna structure. We
have investigated three different substrates to see which
one has the best performance. The three substrates are:
Quartz (GaAs, €, = 3.75, silicon (Si, &, = 11.68, and
silicon oxide (SiO2, e, = 4.71 at 28.3 THz). Figures 5
(@) and (b) show variations of the real and imaginary
parts of relative permittivity for the three different
substrate materials versus frequency range of 28-29 THz.
These three different substrates are used to evaluate
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their effect on the electric field captured in the gaps of
the dipoles. The results are presented in Fig. 6, where
we observe that the nano-antenna with quartz substrate
achieved the highest gap electric field. The maximum
field value obtained for the rectangular dipole antenna
with the quartz substrate is at 353.743 V/m at 28.3 THz;
for the bowtie dipole antenna, the maximum value is
429.858 V/m at 28.37 THz; and for the elliptical dipole
antenna, the maximum value of electric field reaches
327.202 V/m at 28.35 THz. It should be noted that the
substrate permittivity affects both the maximum value
of the captured gap field and the resonance frequency.
Additionally, we note, from Figs. 6 (a, b, c), that the
quartz substrate allows for capturing a higher level of the
field in the entire band.
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Fig. 5. Real and imaginary part of relative permittivity of
studied substrates [20].
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Fig. 6. Effect of substrate type and thickness on electric
field distribution for the different structures.

We now compare the three different shapes of the
studied dipole antennas. It is evident that the curved
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bowtie antenna has the highest value of the captured
field at 28.3 THz, as compared to the dipole designs
with elliptical and the rectangular shapes (See Fig. 7).
Moreover, Table 3 summarizes the maximum field
values realized by antennas with different metal types.
It is evident that gold-based antennas provide the
maximum electric field for rectangular, elliptical, and
bowtie dipole shapes at 28.30, 28.32 and 28.33 THz,
respectively.

+— dipole
----- ellipse
—— bowtie

a00 |

300 |

Electric field, V/m

100 [~-=.

284 I28:6
Frequency, THz

Fig. 7. Variation of electric field versus frequency for the
optimum case of different dipole antenna shapes.

Table 3: Emax at resonance frequencies for different
conductor type

Dipole Type of Resonant Emax
Shape Metal | Frequency (THz) | (V/m)
Au 28.30 353.75

Rectangular C_r 28.37 188.00
Ti 28.42 72.67

(Au,Cr) 28.36 244.032

Au 28.33 429.85

Bowtie C_r 28.34 331.52
Ti 28.26 200.67

(Au,Cr) 28.35 357.63

Au 28.32 327.20

Elliptical C_r 28.35 301.39
Ti 28.32 200.03

(Au,Cr) 28.35 313.22

1V. CONCLUSION

In this paper, a set of Ultra-Wideband optical nano-
antennas operating in the infrared region were proposed
and optimized to collect the maximum energy. A
combination of three different dipole shapes, three
different metals and three types of substrates were
investigated. It was shown that using goldas a conductor
achieved the highest gap electric field intensity for any
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dipole/substrate combination, and so did quartz for any
dipole/conductor combination. This is due to gold having
the highest conductivity and quartz having the lowest
loss. We propose a future similar investigative study
where a metal-insulator-metal (MIM) diode with a thin
insulator layer of Al,Os inserted in the antenna gap.
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Abstract — This article covers the application of
Characteristic Mode Analysis to reduce the Radar Cross
Section of a canonical object, a metallic cylinder.
Electrically small, non-resonant slots are added to
the structure and loaded with complex impedances,
positioned on hot spots found after mode analysis based
on the Method of Moments. Two critical frequencies
with higher amplitude radar cross-section, 400 and
450 MHz, were analyzed. Results showed monostatic
reductions on average of 5 dB, in both frequencies for
two different sets of loads and at two different incident
angles. Radar cross-section patterns were found to be
affected by the load impedances, thereby offering a low
profile and low drag solution to control the backscattering
signature pattern.

Index Terms  — Characteristic-mode analysis,
electromagnetic simulation, radar cross section reduction.

L. INTRODUCTION

Reduction of the RCS (Radar Cross Section) of an
aircraft can increase the survivability rate in combat
cases since its detection becomes more difficult due to
the reduced energy reflected back to the radar antenna.
That means the enemy detection can only occur when
the aircraft is deep into the enemy lines, which can be
a game-changer in the context of aerial dominance.
Conversely, for small civilian boats and ships, metallic
structures based on corner reflectors help increase the
RCS response so that they become more visible in
operation [1], which renders their operation safer. When
the incoming wave hits the target, the total energy is
scattered in multiple directions and partially converted in
heat, the echo is the part the hits back the radar. Given
the fact that the echo response is related to the aircraft
type, it is sometimes called its signature [2]. The
scattering response of an aircraft depends on its geometry
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and its materials, as well as the incoming wave
characteristics (polarization, frequency) [3]. Several
different approaches are commonly used to reduce the
RCS in aircraft, notably on the design of stealthy
vehicles [4], which have lower amplitude backscattered
responses than those expected from their actual
dimensions. Extensive use of electromagnetic simulation
allows the test of alternative geometries (a practice also
known as shaping) which scatter back the incoming
energy in directions other than that of the incoming
wave [5]. Another technique involves radar absorbing
materials (RAM), specifically designed to operate within
radar frequency ranges, coating parts of the vehicles that
are responsible for the high scattering (hot spots). A
specific RAM case designed to operate within the X-
band (10 to 12 GHz) was proved to reduce the RCS
response in the average of 10 dB on a modified F5
fighter, analyzed by means of electromagnetic simulation
[6]. Metamaterials (artificially engineered materials) are
usually employed to reduce the RCS of antennas, which
in virtue of their resonant nature can be responsible for
a large part of the backscatter energy. For instance,
artificial magnetic materials (AMC) were imprinted on a
patch antenna as a kind of load, so that the overall RCS
is reduced, within the band of 9.66 GHz to 11.50 GHz
[7]. Another investigation had two AMC arrays operating
in overlapped frequency ranges, mounted in a chesshoard
fashion, operating in the frequency range of 5.8 GHz
[8]. Another chessboard-like structure, made out of a
matrix of copper and high-permittivity dielectric material
enabled the control of RCS for the frequency of 18.45
GHz, achieving reductions around 15 to 30 dB [9]. The
use of plasma as an electromagnetic shield has also been
proposed as a means to achieve RCS reduction, shown
in one example at the 10 GHz range, simulated with
an FDTD (Finite Difference Time Domain) code [10].
Other techniques to achieve a stealthy operation worth
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mention are passive and active cancellation [4],[11], the
latter relying on heavy high-speed data processing and
phased arrays. This article covers the RCS analysis of a
canonical structure, a metallic cylinder, and investigate
the impact of small loaded slots on its response at two
different close frequencies (400 and 450 MHz). The
impact on the RCS is analyzed using computer simulation,
based on the CMA (Characteristic Mode Analysis). The
proposed technique, without the use of shaping and/or
RAM, achieves a reduction and modification on the RCS
signature. Due to its structural nature it can be made
switchable, enabling a dynamical modification of the
electromagnetic response and therefore turning the target
detection and identification more complicated. Placement
of inductive loadings on locations found after a CMA
analysis was a way devised to reduce unwanted out of
band antenna coupling, a similar approach to a different
goal observed in this study [12].

II. RCS EVALUATION

A hollow metallic cylinder (1 meter long and with a
radius of 0.2 m, zero thickness), made of PEC (perfect
electric conductor) is analyzed according to Fig. 1. The
worst case scenario in terms of radar signature, i.e., a
plane wave with its electric field parallel to the cylinder
axis is modeled with FEKO MoM (Method of Moments)
solver. MoM offers good advantages for the simulation
of metallic structures, given the fact the mesh is done
only on the surface, in contrast to volumetric meshes
of Finite Element Method (FEM) or Finite-difference
Time-domain (FDTD). The MoM impedance matrix is
also the basis for the CMA computation, therefore this
numerical method is directly tied to the characteristic
modes computation [13]. For simulation of a real object,
more complicated than the present canonical cylinder,
the Multi-Level Fast Multipole Method (MLFMM) can
be used to reduce the coupling on the MoM matrix and
turn the matrix sparse, easing the numerical solution. The
cylinder monostatic radar response is simulated and the
results with the frequency swept from 200 MHz to 700
MHz are shown in Fig. 2, for the angle 6=90° - angle
whose response is the largest in terms of backscattered
energy.

0=90°

8=0"

Fig. 1. Simulation setup.
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It can be seen from Fig. 2 that the range around 400-
450 MHz has the largest return amplitude, the respective
surface current distributions are shown in Fig. 3. The
surface current absolute values refer to a plane wave
whose absolute amplitude is 1 V/m, constant over the
entire frequency range, default within the FEKO suite.
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Fig. 2. Simulated RCS for the angle 6=90°.
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Fig. 3. Surface currents distribution for two different
frequencies, incident angle 6=90°.

From the current distribution at 400 MHz and 450
MHz it is possible to see that the area around the cylinder
edges concentrates their maximum amplitudes, therefore
they are backscattering hot spots. These areas should
be possible options for having a RAM coating. This
particular frequency range (C-band) is used by Early
Warning Radars, for long-range detection, and each one
of the two individual frequencies will be dealt with
individually. The range resolution parameter of the target
depends on the frequency span of the incoming signal,
whereas the cross-range resolution depends on different
angles scattered from the object [14]. Both domains —
frequency and angular range, are therefore covered in the
study.



III. CHARACTERISTIC MODE ANALYSIS

Characteristic Mode Analysis computes the natural
modes on a metallic structure, described in terms of
eigenvalues A,. A set of orthogonal current modes is
found, and the individual modes existence and respective
weight on the final current shape depend upon their
individual excitation. Some modes might be good radiators
in some frequencies whereas others might only store
reactive energy. This analysis has been used as a tool
for antenna placement, taking advantage of the natural
resonant modes of chassis of vehicle or mobile phones to
achieve better performances [15]. There is also a relation
between CMA and the RCS of a metallic structure
[16] — the RCS can be computed as the summation of
all characteristic modes inside a structure [17]. An
application involved a computer model of a jet aircraft,
that in simulation showed a reduction in the RCS
response by loading it with resonant antennas positioned
in hot spots pointed out by a CMA study [13] - the
antennas dissipated in their loads the high intensity
currents generated by the plane wave excitation, thereby
reducing the backscattering energy.

Several different parameters related to the eigenvalues
describe their relative importance on the electromagnetic
response of the structure, one of them is the Modal
Significance (MS), that represents the normalized
amplitude of the current modes. MS depends only on the
shape and size of the structure, without influence on the
excitation [18]. Figure 4 shows the computed MS for the
three first modes of the cylinder — MS values closer to
one indicate that the mode resonates. For the frequency
range close to 400 MHz the mode 2 has the largest
importance, whereas 450 MHz has mode 4 as the most
significant. It can be seen in Fig. 5 that these modes have
a current surface pattern similar to the one generated
after a plane wave illumination. It indicates that the
frontal illumination from a plane wave excites currents
that accommodate/resonate in these specific modes, a
scenario that reproduces the radar illuminated target.

1
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Fig. 4. Computed modal significance for the three first
modes. Bold/solid lines represent the modes responsible
for the large RCS values.
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Surface current [dBA/m]

400 MHz - mode 2 450 MHz - mode 4

Fig. 5. Normalized current distribution relative to the
modes at frequencies 400 MHz and 450 MHz.

Fig. 6. Slots geometry and detail of the developed current
surface shape (top right), excited by the ports (blue/red
dots in the zoomed area). The dimensions are lsj:=10 cm,
Wsiot = 1 cm and lgap=1.16 cm.

Once CMA provides an indication of which
frequencies are more likely to radiate the next step
consists of the proper selective excitation of these
modes. Two basic formats are offered in the literature
[19],[20], capacitive and inductive. The first uses a
metallic patch placed where the mode has a current
minimum; the latter has a loop where the mode current
peaks, both are supposed to be electrically small, acting
as a coupling to the source so that the large structure
itself radiates. It is worth mentioning that these coupling
structures are not necessarily matched, in general, due
to their small electrical dimensions they have large
imaginary parts which need to be dealt with in case of
matched antennas or systems (50 Q). In regard to the
choice between capacitive or inductive excitation, since
the interest is in a flying object, due to aerodynamic
constraints a loop excitation was chosen — an electrical
patch floating above the cylinder would induce an
aerodynamic drag and the loop, being of a slot type, does
not impose this sort of constraint. The main idea consists
in directing the incoming plane wave energy into the
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slots so that it is dissipated by the loads and/or scattered
in other directions, in order to reduce the monostatic
backscatter energy. The chosen excitation is depicted in
Fig. 6. A total of eight symmetrical slots were distributed
along the edges of the cylinder, to capture both 2"
and 4" modes, depending on the direction of the plane
wave excitation. The input impedance at the gap is
approximately 20 + j350 Q (400 MHz) and 60 + j434 Q
(450 MHz).

IV. RCS REDUCTION

Complex impedances (Zsiot = Rsiot + jXslot) Were added
as loads to each one of the slots, and it was evaluated
their influence on the RCS response. Figure 7 shows the
RCS response (direction ©=90°) for different values of
Zot, for both 400 MHz and 450 MHz. It can be seen that
the optimum real part (Rsiot) is close to a short whereas
the optimum Xqiet is larger for the case of 450 MHz than
that of 400 MHz, and also that the set of possible load
values that decrease the RCS is larger for the higher
frequency than to the lower one. In terms of load type, a
capacitive part should be added to achieve lower RCS
values for both individual frequencies. It was observed
a strong sensitivity on the RCS signature on the Zgot
value, suggesting a possible means of scrambling radar
detection by means of emulating targets with different
PDFs (Probability Density Function) and reconstructed
SAR/ISAR images [21]. Electronically switching of
different loads can be implemented dynamically as an
incoming radar signal is detected in case of evasive or
stealthy operations. The size and relative position of the
slots were not seen to have a large influence on the RCS
reduction, given their small electrical size.

In terms of spatial angular responses, two particular
sets of optimized Zgot values, Zsol= (0.1 - j240) Q and
Zsor2 = (0.1 - j330) Q are shown in a polar plot format,
Fig. 8, alongside with the baseline (no slots) case. The
angle 90° had reductions of 4.2 dB (for Zsetl, 400 MH2z)
and 3.3 dB (with Zgx2, 450 MHZz). The 0° direction had
a reduction of 9.4 dB (400 MHz) and 4.2 dB (450 MHz),
both with the Zgo2 load impedance. The cut slots
represented only 0.7% of the total cylinder area, so they
do not impose a large modification on the original
structure given the small electrical size of the exciters.

Figure 9 shows the PDF for the original and
modified cylinder, with the two sets of impedances Zjot.
It can be seen that the inclusion of slots and the
respective impedances modify the statistical distribution
of the backscatter energy. For the case of Zgu2 it shifts
the distribution towards smaller RCS values. Zgol
minimizes the RCS for 400 MHz but the PDF still
resembles the original object without slots whereas Zsjo:2
provides a more substantial modification on the shape of
the PDF function, for both frequencies. This modification
turns the vehicle detection more difficult given that the
PDF acts as a sort of electromagnetic signature.
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Fig. 7. Simulated monostatic RCS (6=90°) for 400 MHz
and 450 MHz, with different loads connected to the slots.
The baseline original RCS, without the slots, is shown in
the black arrows by the colorbars.

400 MHz
9
120 60
£\
(o
150 \‘ ' 30
s ‘\\\l 1y A
W\ -1
\Q\w W
180 “ ) 0
7 \\
/ /// \x \
LA /( |\ J
210 }: | 330
37,
240 300
270
450 MHz
90
120 10 60
150 : {/ 1) 30
\ 1)
—~ e
( \ f/ )
\> \-36 “o No Slots
180 1) ¢ 7—===.A§ 0 Zl
£y sl — Ztot2
i R \ L -
{/ \)
S // \\ <L)
210 - \ - 330
; )
240 : 300

Fig. 8. Simulated monostatic RCS, in dBsm. Angle ©
swept, with the cylinder left for reference on the center
of the figures.



No Slots No Slots

60 — 60 —
40 40 I
; H—»W ? 1]
1] 0 | | —‘
-10 -5 0 -30 -20 -10 Q
60 Zord Ziord
o 40
40 []
ﬁ—ﬁm i m—l_l_ﬂi
20
0 [ —‘
-15 10 -5 0 20 -15 10 -5 0 5
Zyie2 Zao2
40 slet- 60 sl
40 —
20
20 —
. s 11 S P N

-5 -10 5 0 5 -30 -20 -10 8}

Fig. 9. Probability Density Functions for 400 MHz (left
column) and 450 MHz (right column).

AN
g —
C1
pos1 KTDOSZ ‘ v

radar

Fig. 10. Description of the switching load approach. Polar
plot shows an example only, not related to this work.

The procedure for achieving the CMA reduction of
the RCS can then be synthesized is as follows:

1. Determine the frequencies of interest. It can be VHF
or low UHF for Early Warning Systems or X band
for missile and aircraft radars, for instance.

2. Find out within the specific frequency range the
most significant modes, running a CMA evaluation.

3. Forthese modes, investigate their current distribution
pattern.

4. On the found hot spots (high amplitude surface
current) deploy non-resonant slots, and add complex
loads to them. The initial estimate of the load
impedance should be the conjugate input impedance
of the slot, at the frequency of interest. Alternatively,
capacitive patches can be used as exciters, but these
should instead be placed on points where the modes
present maximum voltages.

5. Run a plane wave excitation and evaluate the RCS
response after a sweep on the load impedance.
Optimum load impedances can be chosen as a
compromise between different frequencies, or as a
way to create a different RCS signature.
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Dynamic switching of the loads allows the on-the-
fly electromagnetic signature scrambling, as Fig. 10
shows. The radar is positioned as shown on the polar
plot, and it detects the target at the maximum backscatter
direction. Upon switching the load from position S1 to
S2 the main lobe moves to another direction, scrambling
the proper vehicle detection.

V. CONCLUSION

This article covered the use of CMA analysis of
a metallic cylinder and the respective loading of the
excited modes in order to modify its RCS signature.
Without traditional RCS reduction techniques, like
absorbing materials or shaping, this technique changes
the RCS of a canonical object with minimal structural
modifications, given the fact the slots are electrically
small and do not introduce aerodynamic drag to an
aircraft. It also enables the modification to be
implemented dynamically, by switching different sets of
loads. Moderate RCS reductions (around 5 dB) were
found after numerical simulations.
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Abstract — In this paper, the array elements are
considered as pixels and their magnitude excitations are
assigned to the values of 1 (i.e., active or turned ON) or
0 (i.e., inactive or turned OFF). Thus, each element either
exists at its position in the considered array or not. The
proposed pixel method can be applied to different planar
array configurations such as square, rectangular,
triangular, circular, or any other shape to achieve the
required pattern reconfigurability. Moreover, by turning
OFF some of the selected elements, the main beam of the
array pattern can be switched to specify directions
without using any phase shifters or any other RF
components. Therefore, its practical implementation is
simpler and cheaper than any other existing method.
However, when comparing with arrays in which all their
elements are turned ON, the gain of the considered arrays
will be reduced when some selected elements are turned
OFF. The array pattern reconfiguration using the pixel
method has been designed and its parameters have been
optimized using computer simulation Technology (CST-
MWS), which uses the Finite Integration Technique
(FIT). It’s also verified by High-Frequency Surface
Structure (HFSS) commercial software (based on the
FEM method). Numerical results obtained under full-
wave modeling CST environment demonstrate the
effectiveness of the described method.

Index Terms — Beam steering, magnitude excitation,
pattern configuration, pixel arrays, planar arrays.

I. INTRODUCTION

Currently, the array pattern reconfiguration
becomes one of the important issues in the satellite and
terrestrial communication systems, where the radiating
parts of the transmitting and/or receiving devices in such
systems need to be continuously reconfigured to assure
reliable link over dynamic channels or environmental
conditions. The design of the antenna arrays has been
developed toward compact and simple architectures such
as conventional beamforming [1], smart arrays [2-4], and
re-configurable array patterns [5-11].

The array pattern configurability and beam steering
capability of such types of antenna arrays are traditionally
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accomplished by using phase shifters, variable
attenuators, and other RF components that connected to
each element of the array in the feeding network which
exhibits a complex circuitry. In addition, the use of phase
shifters in such arrays exhibit scans loss and errors which
lead to performance degradation [12].

Recently, the radiation characteristics of the
reconfigurable arrays can be changed by using switches
such as PIN diodes to connect the required elements and
to achieve the desired radiation patterns [13].

Very recently, the array pattern configuration has
been achieved by means of parasitic elements [14].
In such approaches, the need for phase shifters has
been overcome. Therefore, the loss and error problems
associated with the progressive phase shift between array
elements are alleviated.

In this paper, the radiation characteristics such as
beamwidth, gain, sidelobe level, and main beam
direction of planar arrays can be controlled by turning
ON/OFF a certain number of the array elements by
selecting their magnitude excitations to be either 1 or 0.
This type of array is known as Pixel Array. It can offer a
great reduction in the cost and weight of the feeding
network circuitry. Further, the method is capable to
provide a narrow beamwidth that is approximately equal
to that of the fully active array elements under the
condition of keeping the same array size. Also, the
elements that turned ON (active) with magnitude
excitation selected to be 1, in an array is able to provide
a lower sidelobe level with respect to that of the fully
uniform array where all of its elements are active [15].
In this type of arrays, the directivity will depend directly
on the number of turned on elements. The key feature of
the proposed planar array is its ability to switch the main
beam to some pre-specified directions in the azimuth
plane without using any phase shifters or any other RF
components.

Since the simplicity and versatility of the proposed
pixel planar array are assured, thus, it can be recognized
as a good candidate for 5G technologies in which the
communication efficiency is of great importance [16].

Furthermore, the performance of the proposed array
has been investigated and verified using (CST-MWS)

1054-4887 © ACES
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software. The Time-Domain solver was used to obtain
the required results [17]. Parametric studies and
optimization using the built-in Trust Region Framework
Algorithm which is a numerical optimization for solving
nonlinear programming problems have been used.
Section Il describes the concept of designing the
proposed array starting from a single patch, while section
I11 presents the results. Section IV presents a numerical
comparison of the results achieved by CST and HFSS
[18]. Finally, the conclusions are listed in Section V.

Il. THE PLANAR PIXEL ARRAY

In this work, the shape of the considered planar
array is chosen to be triangular which is derived from an
original square planar array with (NxN) elements.
However, the proposed pixel method can be straight
forwarded to any other planar shape. To illustrate the
concept of the pixel elements, first the proposed planar
array with assigned magnitude values is shown in Fig. 1.
It consists of two sets of elements. The first set contains
the active elements, while the second set contains only
inactive elements. Here, each element in the considered
array is chosen to be a small circular patch. Then an array
of such patches is formed. The details of each part are
shown in the next sections.

Feeding Switches Hypothetical Pixel Array
Network Antenna
1@
1l «0
NI
L
_ 1
L« 0
1@ O
1l 0
1

Fig. 1. Pixel array feeding network: gray (active
elements) and white (inactive elements).

A. Single element circular patch antenna

The substrate of such a Patch element is chosen to
be FR-4 with thickness h=1.6 mm, relative permittivity
er=4.3, and dielectric loss tangent of 0.025. The
proposed antenna has been chosen to work at 2.4 GHz,
which then designed, simulated and optimized. The
structure of a single element circular patch antenna is
shown in Fig. 2, where R represents the radius of the
patch which is chosen to be 19 mm and F represents the
feeding point. The procedure for designing the circular
patch is illustrated below.
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Fig. 2. Structure of the single element circular patch
antenna.

The actual radius of the patch R at the resonant
frequency fo can be calculated as in the following
equations [19]:

1.8412XV

fO = 21TR\/£_r ’ (1)
where V is the speed of light in the Freespace. The
fringing effect does not take into account when calculating
the fo in (1). Consequently, an effective radius R has
been considered to replace the actual radius R as:

0.5

Re=R{1+ nth [ (Z)+17726]} 7. (@
Therefore, and based on (2), the resonant frequency of
(1) can be given as:

_ 18412xV
fo = Garve 3
Then, a first-order approximation to the solution of (2)
for R is given by:

F

R= , 4
(1420 fin(R)+17726]) )
where F:
8.791x10°
- fover (5)

The excitation of the circular patch can be achieved
by more than one technique such as a coaxial probe,
a microstrip line, electromagnetic coupling or aperture
coupling. A coaxial probe has been used as the feeding
network of the antenna. The position of the feeding point
with the patch must be equal to the characteristic
impedance of the probe which is 50 Q. The optimization
tool of the CST-MWS has been used to specify the
exact point which is matched the feeder characteristic
impedance. It has been found that the feeding point that
matches the characteristic impedance is F=7 mm from
the circular patch center. The SMA connector has been
mounted on the antenna back-side. Figure 2 shows the
antenna feeding point. Figure 3 shows the Reflection
Coefficient (S11) of the designed circular patch antenna
which is optimized to be <-10 dB. It is clear that the CST
and HFSS simulators are giving almost the same results
corresponding to the bandwidth, and deeper Si1 for the
CST at the operating frequency.
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Fig. 3. Sy for the designed single element circular patch
antenna.

B. Design of the triangular planar array

The geometry of the proposed planar array is shown
in Fig. 4, the design consists of a number of single
circular patch elements arranged in a right-angle triangle
shaped planar array.

A
v

O O
VO O O O O

Fig. 4. Proposed planar antenna array, W=L=312 mm.

The design procedure of such a planar array has
been divided into three steps as follows; in the first
step, a single element circular patch antenna has been
designed. In order to obtain the best performance, the
patch has been optimized using CST built-in Trust
Region Framework Algorithm. In the second step, a
planar array or 5 x 5 elements are designed. Then, the
active elements of the designed array have been reduced.
Finally, to measure the performance, a comparison
between the fully active array elements and the proposed
array is presented.

C. Array configurations

A planar array of 5 x 5 circular patch antennas has
been formed as shown in Fig. 5 (1). In order to keep the
mutual coupling between the elements as small as
possible, the spacing between any successive elements
in the considered planar array is set to be as 4e/2 in both
X and Y direction, then it is optimized to have the best
performance.

The main idea of this paper is to minimize the
number of active elements and simplify the feeding
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network circuitry. Also, the performance of the designed
array should be kept as close as possible to that of the
fully active arrays. Thus, the removal of the active
elements from the planar array has been applied in two
steps. The first one is by removing the upper right six
elements as in Fig. 5 (I1). Then, removing another three
elements from the center of the triangle as in Fig. 5 (I11).
The structure that is shown in Fig. 5 (Il1) has many
important features where it consists of three sides
(vertical, horizontal, and diagonal (sloped by 45 degrees)).
These three sides can be used to generate different
radiation patterns with different main beam direction as
can be seen in the next section.

e

U] () (1)

Fig. 5. Array configuration: (I) fully 5 x 5 array antenna,
(1) array after removing the upper right six elements,
and (111) the proposed planar antenna array.

I11. SIMULATION RESULTS

Each side of the right-angle triangle shaped planar
array can be considered as separate linear sub-array
elements. Their corresponding radiation patterns can
be configured in different directions with different
polarization. The main beam directions can be switched
toward any of the following three cases. In all these
cases, it is worthy to mention that the directivity of the
original fully active array elements (i.e., all of 25
elements in 5 x 5 array are set to be on and active) is
(19.8 dB). Certainly, this value of the directivity cannot
be maintained when switching OFF some of the array
elements as can be seen in the following cases. The three
cases have been simulated using CST then the results
have been further verified using HFSS, the results show
great similarities. For simplicity, the CST has been
chosen to present the remaining results.

A. Casel

In this case, the lower (or horizontal) side elements
of the triangle array are chosen to be active (i.e., their
magnitudes are set to 1) while all other remaining
elements are switched OFF as shown in Fig. 6 (see Type
3). This figure also shows two other types as shown in
the second and third columns of Fig. 6. Type 1 represents
an original 5 x 5 square planar array with only lower
side elements were selected to be active. This type is
considered here for only comparison purposes. Figure 7
shows the 2D radiation patterns of the three types.
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Fig. 6. Results of Casel.
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Fig. 7. The corresponding 2D radiation patterns.

From Fig. 6 and Fig. 7, it’s clear that the radiation
pattern of the array in type 3 is almost the same as
those in type 2 and type 3. Indeed, the directivity of the
three types is around 12.8 dBi and the HPBW is around
19.7°. From this result, it can be seen that the Type 3
configuration, represents the most efficient configuration
in terms of a smaller number of overall elements while
maintaining the same performance. Indeed, the efficiency
is perfect for the proposed array 89%, compared with the
other two array types.

B. Case2

In this case, the vertical side elements of the triangle
array are chosen to be active while all other remaining
elements are switched OFF as shown in Fig. 8. This
figure shows the various configuration and their
corresponding array patterns. Again, the result of the
array in Type 3 represents the cheaper design in terms
of containing the smaller number of elements while
achieving the same performance. In this case, the main
beam direction is pointed toward 90°. Figure 9 shows the
2D radiation patterns of the three types. The directivity
of the three types is around 12.2 dBi and the HPBW is
almost the same 20.1°. Indeed, the efficiency is perfect
for the proposed array 89.5%, compared with the other
two array types.

Fig. 8. Results of Case2.
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Fig. 9. The 2D radiation patterns for Case2.
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Fig. 10. Results of Case3.

C. Case3

In this case, the elements located on the main
diagonal of the triangle array are chosen to be active
while all other remaining elements are switched OFF
as shown in Fig. 10. Figure 11 shows the 2D radiation
patterns of the three types. Again, the result of the array



in Type 3 represents the cheaper design in terms of
containing the smaller number of elements while
achieving the same performance as compared to the
other two types. In this case, the main beam direction is
pointed toward 45°. The directivity of all the types is
around 13.6 dBi which is lower than that of the fully
active array elements 19.1 dBi and the HPBW is almost
the same 19.9". However, this reduction comes at a profit
of many advantages including a lower number of active
elements and a simplified feeding network. Again, the
efficiency is perfect for the proposed array 88%,
compared with the other two array types.
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Fig. 11. The 2D radiation patterns for Case3.
From the above-mentioned three cases, it has been

found that the antenna bandwidth is almost the same for
the proposed antenna (Type 3) as can be seen in Fig. 12.
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Fig. 12. S11 for the proposed antenna for the three cases.

Table 1: Comparison between CST and HFSS results

Casel Case2 Case3
CST |HFSS | CST | HFSS | CST | HFSS
Directivity
(dBi) 129 | 12.7 [ 12.2| 12.1 | 136 | 135
HPBW 1 50 | 205 |201| 20 | 20 | 19
(Deg)
Efficiency
(%) 89 88 |89.5| 88 88 89

1V. DESIGN VERIFICATION WITH HFSS
To verify the proposed antenna array, the HFSS
simulation program has been used. The results show
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great matching between the two programs in terms of
Directivity, HPBW, and Efficiency. Table 1 shows the
obtained values for the proposed array (Type 3) in the
previous three cases using both CST and HFSS.

V. CONCLUSION

This work showed that the elements in the planar
arrays could be considered as pixels, where their
magnitude excitations were assigned to the values of
either 1 or 0, depending on which elements need to exist
at its position in the array. The pixel method can be
applied to the different array configuration such as
square, rectangular, triangular, or any other shape. To
switch the main beam direction, only the magnitude of
the selected elements can be altered from 1 to 0 or vice
versa. Thus, the proposed approach needs only switches
rather than phase shifters or attenuators to achieve
the main beam scanning capability. Moreover, the
polarization can be also easily altered from vertical
to horizontal or vice versa without any mechanical
movement of the array. Therefore, the proposed pixel
array is simpler and cheaper to implement. Simulation
results showed that the directivity and the efficiency of
the proposed pixel array are almost the same as those of
the fully planar array. Nevertheless, the proposed array
enjoys many advantages such as a smaller number of
active elements.

In the future work, the method may be further
extended by using an optimization algorithm such as a
genetic algorithm to optimally choose which elements
should be switched OFF such that the array pattern
reaches the desired configuration.
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Abstract — This article presents a reactive load dipole
antenna and it is working in the frequency range from
(10 MHz- 600 MHz). The LR Load can improve the
antenna characteristics to produce maximum gain. The
loads are in the combination of parallel and series LR
circuits. Genetic Algorithm is used to obtain the optimum
values of loads and their optimum position along the
dipole. The proposed design is simulated using 3D EM
CST Microwave Studio tool. In the working band, the
S11 parameter and gain of the loaded antenna are -15.73
dB at 328 MHz and from -15 dBi at 10 MHz to 2.80 dBi
at 600 MHz. An optimized reactive load dipole antenna
were fabricated and tested. Good agreement were attained
among the measured and simulated results.

Index Terms — dipole antenna, genetic algorithm, loading
antenna, reactive loading.

I. INTRODUCTION

Recent advances in broadband communication
system are generating a great interest in miniature,
efficient and broadband antennas. Antenna designers
used a lumped element to improve impedance matching
and the antenna bandwidth. A loaded wire antenna can
be obtained by placing reactive element on wire radiator
such as bifold monopole [1], long wire stub loading [2],
in order to modify the current distribution along the
conductors to enhance the antenna performance. In [3],
an inductor and resistor is loaded wire monopole antenna
with a matching network were designed by using genetic
algorithm optimization with VSWR less than 3. In [4],
an antenna consists of loaded wire monopole, a sleeve
pedestal and an on body matching network and they are
optimized by using Genetic algorithm to enhance the
system gain and increase the antenna bandwidth. In
[5], presents a new technique for wideband impedance
matching of short monopole antenna in HF/VVHF band is
designed to improve VSWR of antenna and a resistor is
located between the two parts of the antenna.

Discretely loaded resistive dipoles [6], were
implemented and analyzed for use of short pulse
radiation and reception application. Discretely loaded
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Vee dipole [7], and durable 2-arm resistor cross dipole
antenna [8] were designed for use of Ground penetrating
Radars. In [9], a non-foster matching network using an
operational amplifier is designed to reduce the reflection
in resistive loaded Vee dipole antenna. In [10], to broader
an antenna input impedance bandwidth, a frame work
based on reactive loading using NCM is presented. In
[11-13], designed a dipole with left handed topology
to realize matched input impedance values and a
miniaturized antenna with enriched performance. In
[14], discussed about the single feed cross dipole antenna
loaded with different NFPR element to implement
compact polarized reconfigurable antenna which is
used in wireless communication. In [15,16], investigates
to achieve circular polarization operating bandwidth
between of the broad band cross over dipole antenna
loaded with parasitic elements will be used for broadband
wireless communication system. In [17], designed a RL
loaded dipole antenna by using genetic algorithm. In [18-
20], present a dual polarized linear TCDA loaded with
resistive loops and to achieve a wide bandwidth and low
profile, a resistors were introduced in the array to reduce
a ground plane interference. In [21], an antenna design
method based on genetic algorithm optimization and it
is applied to the wire antenna loaded with lumped
components. In [22], a broadband six LR loaded dipole
antenna is designed and the load values and position are
optimized by using Genetic Algorithm. In [23], an
antenna with resistive loading is designed on a printed
circuit board and the performances were realized for
pulse radiation. In [24], a planar sleeve monopole antenna
is designed and its antenna performance is enhanced
by using passive lumped element loading. In [25], a
mode matching analysis of dipole antenna loaded with
metamaterial inclusion has been examined analytically.

In this article, we consider the use of genetic
algorithm optimization for a dipole antenna with
matching network. The designed antenna consist of a
loaded wire dipole and matching network, in which loads
and matching network are optimized by the genetic
algorithm in order to enhance the antenna performance.
The article is prepared as follows. In Section I, it
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deliberate about the antenna design. Section 111, discuss
about the antenna optimization, modelling and component.
Section 1V, discuss about results and its performance.
Section V discuss about antenna fabrication and
measurements results and finally conclusion of the paper
are discussed in Section VI.

I1. ANTENNA DESIGN
The steps for designing an initialized unloaded and
optimized loaded dipole antenna, as described in Fig. 1
in detail, are summarized in the following: Design an
initialized unloaded dipole antenna and it is operated
over frequency range from 10 MHz - 600 MHz is
simulated using 3D EM CST Microwave studio tool to

ACES JOURNAL, Vol. 35, No. 3, March 2020

evaluate the performance of S;; parameter, gain and
radiation pattern of the antenna. The reactive load is
employed in the dipole antenna to improve the antenna
characteristics performance with respect to the desired
frequency range. The optimized loaded and unloaded
dipole antenna are symmetrical in its length (h) and
diameter (D) [17]. The loaded dipole antenna is designed
by using two different software’s, simulation done by
using 3D EM CST Microwave studio software and the
load values and their position are optimized by using
MATLAB Genetic Algorithm optimization technique.
Then the optimized antenna parameters are updated to
3D EM CST Microwave studio software to extract the
antenna performance of the simulated result.

Generate geometrical parameters of the
initialized unloaded dipole antenna

Design and simulate the initialized unloaded
dipole antenna using 3D EM CST Microwave

studio.

Calculate the Sy1 parameter and gain of
the initialized unloaded dipole antenna

Optimized the design using
Genetic Algorithm in MATLAB

Update the optimized parameters of loaded dipole
antenna to 3D EM CST Microwave studio.

Evaluate the performance of the optimized
loaded dipole antenna.

Fig. 1. Steps for designing an initialized unloaded and an optimized loaded dipole antenna.

I1l. GENETIC ALGORITHM BASED
ANTENNA OPTIMIZATION
The Fig. 2 (a) illustrate the geometry and
dimension of the unloaded dipole antenna, Fig. 2 (b)
illustrates the geometry of the proposed LR loaded

dipole antenna and the Fig. 2 (c) represents the
geometry of the LR loaded antenna which, has a single
inductor as a load 1, one parallel LR circuit for load 2,
a matching network that is 1:4 impedance transformer
connected to an inductor in parallel with the antenna



terminal and two series LR circuits for load 3 and load
4.The dipole length and diameter is h and D. Reactive
loads of definite partition of the dipole antenna is effort
to adjust the characteristics performance with esteem to
a desired frequency band. Designing a loaded dipole
antenna system to satisfy certain requirements generally
entails the solution of a nonlinear optimization problem.
The optimizer has to determine the large set of optimal
parameter such as position, parameter values of the LR
circuits and the element of the equivalent network.

KAYALVIZHI, RAMESH: DESIGN AND ANALYSIS OF REACTIVE LOAD DIPOLE ANTENNA

In our design, an antenna loaded with four LR
circuits and matching network involves a simultaneous
optimization of parameters. The number of loads, their
location and the load parameter values are specified
using Genetic Algorithm Optimization. Genetic algorithm
is used to solve the number of electromagnetic problem
and finding optimum antenna design that maximize or
minimize the certain radiation property. It is prevalent
for its perception, experimentation, easiness and the
competency to crack nonlinear and optimum problem.
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Fig. 2. Geometry of the: (a) top view of unloaded dipole antenna, (b) proposed LR loaded dipole antenna, and (c) LR
loaded antenna, matching network and 1:4 impedance transformer.
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[ Generate Initial Population ]

[ Evaluate Fitness ]

[ Selection (Select parent) ]

[ Perform Crossover ]

[ Perform Mutation ]

[ Evaluate Fitness ]

End

Termination
Criteria
Satisfied

No

Yes

Fig. 3. A data flow for optimizing the dipole antenna using genetic algorithm optimization.

The Fig. 3 illustrate the data flow for optimizing the
dipole antenna using Genetic Algorithm. The Genetic
Algorithm is a search procedure and provide optimal
solution by successively creating population that improve
over many generation. Genes are the binary encoding
of each problem variable and all the genes are referred
as chromosomes. A set of chromosomes are named as
population. Chromosomes are the main concern of genetic
algorithm. Every chromosomes have two fragments.
Segment chromosomes tagging the load position and a
value chromosomes tagging the load value in genetic
algorithm execution, every one of the alignment entailing
N connected fragments are encrypted into 0 and 1
chromosomes. If the LR circuits positioned in any of
the N fragments the identical fragments will fixed as 1
else 0. Mutation is permitted to transpire at a small
possibility.

Synchronously each component value X, being

either capacitance or inductance or resistance [19], is
given:
X = Xmint Xm:i;% Zrl\llzo b)I\(I 2", 1)
Where, NX is a bit string:
b¥... bix — 1 is the binary representation of X.
Xmax and Xpi, are the maximum and minimum
value for X.

The objective function [3], is given by:

ObjV = o Zaly[Cowg Fg” + Cowy "] (2)
Where, N is the total number of frequency samples in
the selected ranges and F" and F{™ are the function
which controlling antenna bandwidth and gain [3] is
given by:

) if VSWR™ < B,

vswr(W g, (3)

F (n) -
b .
TowRe Otherwise ,
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0,
Go—G™
Go

m) _
Fg ' =

’

if 6™ > G,

(4)

otherwise

In these functions, B, and G, are frequency independent

gain has to be confined above G,. wé“),

weights. F™ and F{” are indifferent part of band.
CoefficientC; and C, are frequency independent
weights.

wMare selective

constants, VSWR has to be constrained under B, and

Table 1: Parameter ranges for GA optimization of antenna
Min Max # Bits Resolution
L 0.23 pH 1.5 pH 8 0.0025 pH
R 0Q 1 KQ 8 390 Q
Lm 0.23 pH 1pH 8 0.35 uH
Rm 0Q 1 KQ 8 680 Q
Cm 0.01 pF 50 pF 8 20 Pf

Table 2: GA settings and resulting number of objective function evaluation

Genetic Algorithm

Genetic Algorithm Parameters
Number of Individual 100
Crossover Probability 0.8

Mutation Rate 0.1
Generation Gap 0.9
480

Number of Generation

IV. RESULTS AND DISSCUSSION

Based on the Genetic algorithm optimization, the
load parameter value, location and matching network
element value has to be determined. Listed in Table 1 are
the range and resolution of each of the ten parameters in
the loaded antenna. Table 2 shows the how to set the
Genetic Algorithm parameters, which include number
of individual, crossover probability, mutation rate,
generation gap and the number of generation. The 3D
EM CST Microwave Studio tool is used for all
simulation works to calculate the antenna performance.
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Fig. 4. Computed results comparison of Si; for LR
loaded and unloaded dipole antenna.

The Si11 parameter diagram of an unloaded dipole
antenna is compared with LR loaded dipole antenna is
shown in Fig. 4. The unloaded dipole antenna is same to

the LR loaded dipole antenna with identical length and
diameter. As it is shown, the prior explain the result of
S11 parameter for loaded dipole antenna is -15.73 dB at

328 MHz [17].
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Fig. 5. Computed results comparison of gain for loaded
and unloaded dipole antenna.

The Fig. 5 which illustrate the computed gain of
loaded and unloaded dipole antenna. The gain of unloaded
dipole antenna is decreases at higher frequencies. This
problem can be solved by Genetic Algorithm optimization
of the antenna profile and these drops at higher
frequencies are considerably increased in the loaded
dipole antenna. The maximum value for antenna gain
can be achieved at higher frequencies and in this case at
600 MHz. For this loaded dipole antenna gain is gradually
increasing from -15 dBi at 10 MHz to 2.80 dBi at 600 MHz.
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V. ANTENNA FABRICATION AND
MEASUREMENT RESULTS
Table 3 shows the antenna parameter values for the
Genetic Algorithm optimization. The resulted load
parameter are presented in Fig. 2 (b). A loaded dipole
antenna is fabricated from the thin wall copper tubing
with 10 mm diameter are shown in Fig. 6. In the antenna,

ACES JOURNAL, Vol. 35, No. 3, March 2020

the helical coil can be modeled as a series of parallel
wire loops and the coil used in this article were
constructed by winding 14 American Wire Gauge
(AWG) wire with 2 mm diameter. The % W resistors
were used in the LR circuits. The loads for the numerical
design of Table 1 were constructed based on the
optimization algorithm.

Table 3: Parameter values for the Genetic Algorithm optimization of dipole antenna and matching network of Fig. 2.
(h=169cm,D=10mm,a=40cm,b=13cm,c=6cm,e =3 cm, f=35cm, g =40 cm, hl =129.1cm, h2=110.9 cm,
h3=96.9 cm, h4 = 88.8 cm, h5 = 47.8 cm)

Load Parameters Load 1 Input Load 2 Load 3 Load 4
Load position (cm) 6.10 8 5.10 6 7.8
No. of turns 5 18 4.5 6 6
Winding Gauge (AWG) 14 14 14 14 14
Core material Air Air Air Air Air
Wire diameter (mm) 2 2 2 2 2
Coil diameter (mm) 9.8 13 9.8 9.8 20.4
Length of the coil (mm) 19 35 13.2 15 15
Resistor value - 680 Q 390 Q 56 Q 390 Q
Capacitor value - 20 pF - - -
T T

Load 1 Input feed Load 2 Load 3 Liosd 4

()

Bl =

¥

Fig. 6. Fabricated Loaded Dipole Antenna, (a). Antenna with load which listed in the Table 3, (b). Load 1, (c). Load

2, (d). Load 3, (e). Load 4 and (f). Input feed.

A prototype of loaded dipole antenna is shown in
Fig. 6 (a). In Load 1 the inductor was realized in air core
coil made up of 6 turns of 14 AWG wire with 2 mm
diameter which is shown in Fig. 6 (b). In Load 2, the
inductor and resistor are in parallel .The inductor that
was realized in air core coil made up of 4 turns of 14
AWG wire with 2 mm diameter, which is shown in Fig.
6 (c). In Load 3 and Load 4 the inductor and resistor are
in series, in which inductor was apprehended in air core
and coil is made up of 6 turns of 14 AWG wire with 2
mm diameter, which is shown in Fig. 6 (d) and 6 (e).The

input feed region is shown in Fig. 6 (f), which consists
of balun and 1:4 impedance transformer. The Sii
parameter and gain of the loaded dipole antenna were
measured.

The measured and computed results of S1; parameter
and gain for the proposed antenna is shown in Fig. 7 and
Fig. 8. The good agreement was achieved between
measured and computed results. As a result the measured
antenna operate in 10 MHz — 600 MHz. Moreover the
antenna gain has a maximum gain of 2.80 dBi at 600
MHz while minimum gain -15 dBi at 10 MHz [17].
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Fig. 8. Comparison of gain for the proposed dipole
antenna.
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Fig. 9. Measured and computed radiation pattern for proposed dipole antenna at frequency of 305 MHz: (a) XZ plane

and (b) YZ Plane.
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Fig. 10. Measured and computed radiation pattern for proposed dipole antenna at frequency of 600 MHz: (a) XZ plane

and (b) YZ Plane.

The measured and computed radiation pattern in the
E-plane and H-plane of dipole antenna in two selected
frequencies (305 MHz and 600 MHz) are shown in Figs.
9 and 10.The results demonstrate both in co-polarization
(Co-pol) and cross- polarization (Cross-pol). Thus it can
be seen that the loaded dipole antenna radiation patterns

are almost omni-direction in H-Plane and the maximum
gain is also at the horizontal radiation direction

V1. CONCLUSION
In this article, a Genetic Algorithm is used to
optimize a HF/VVHF/UHF antenna for improving gain of
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straight wire dipole antenna loaded with single inductor,
one parallel LR circuit and two series LR circuits and it
is driven through an equivalent network. Guided by
optimization and realization techniques discussed, the
authors constructed dipole antenna system with gain
from -15 dBi at 10 MHz to 2.80 dBi at 600 MHz.
A reactive loaded dipole antenna is fabricated and
measured, which shows good agreement with simulated
results. The designed antenna can be used in Portable
Applications.
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Abstract — In this paper, an orbital angular momentum
transmitarray antenna based on high-transmission slot-
type Jerusalem elements is proposed. The equivalent
circuit model of the proposed element is analyzed by the
transmission line theory. Theoretical results calculated
by MATLAB show that a four-layer element with
non-identical layers can realize a similar phase range
and a much higher transmission efficiency as that with
identical layers. Using this method, the transmission
magnitude is greater than —0.45 dB within a 360°
transmission phase range. Based on the proposed
element, a round aperture orbital angular momentum
transmitarray composed of 648 elements is designed and
simulated by HFSS. The results confirm that orbital
angular momentum waves with 1=+1 are successfully
generated. The divergence angle and maximum gain are
about 6° and 19.2 dBic, respectively. And the aperture
efficiency with I=+1 is 11.3%.

Index Terms — High-transmission, metal-only, orbital
angular momentum (OAM), transmitarray, transmission
line theory.

1. INTRODUCTION

In recent years, wireless communication technology
has been developed rapidly, which poses unprecedented
challenges to the limited spectrum resources. As a
new method to improve the spectrum efficiency, orbital
angular momentum (OAM) [1-3] has aroused extensive
attention, which has infinite eigen modes with
transmission orthogonality.

To date, fruitful methods for generating OAM
waves have been continuously proposed, such as spiral
phase plates [4], parabolic antennas [3], and circular
array antennas [5]. However, due to the disadvantages
such as large size, complex structure, high cost, and
narrow bandwidth, their further development and
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application are restricted.  Recently, transmitarray
antennas [6] have gradually become a hot candidate for
OAM generation, which combine optical theory and
array synthesis theory. By adjusting the transmission
phase of each element in the array, the spherical waves
radiated by the feed source can be converted into OAM
waves in a specific direction.

In [7], a planar spiral phase plate composed of
double-layer split-ring transmitarray elements was
proposed to generating OAM waves with 1=+1. In [8],
a transmitarray was designed to generated dual-mode
OAM beam waves, which implemented the elements
formed by two dual-polarized wideband microstrip
antennas. In [9], a transmitarray for generating OAM
beam waves was proposed by employing three-layer
elements. Although these transmitarray antennas have
successfully produced OAM waves, the element
transmission loss of these transmitarray is up to 1 dB,
even 3.9 dB, which may deteriorate the antenna radiation
performance. Thus, it is necessary to design an OAM
transmitarray with ultralow transmission loss.

In this paper, an OAM meta-only transmitarray
antenna is presented by employing high-transmission
slot-type Jerusalem elements with non-identical layers.
The impedance matching condition based on the
transmission line theory is applied to the element
design, and hence a complete 360° transmission phase
range with low transmission loss is obtained. An
antenna prototype is designed, and simulated. The
results confirm that OAM waves with I=+1 is successfully
generated.

1. HIGH-TRANSMISSION ELEMENT
DESIGN
A. Design principle
Inspired by [10], a general model of the four-layer
element with non-identical layers which is described as

1054-4887 © ACES



a combination of four metal layers and three dielectric
layers with dielectric constant of ¢,., as shown in Fig.
1 (a). Metal layer 1 and 4 are the same, while metal
layer 2 and 3 are the same. To simplify analysis, metal
layers 1, 4 and 2, 3 are modelled as normalized pure
susceptance jb; and jb,, respectively. And the dielectric
layers between two metal layers are modelled as the
transmission line with the characteristic admittance of
Y, /Y, and the length of d,, d, and d5, respectively, as
presented in Fig. 1 (b). Y, and Y; are the normalized
characteristic admittance of free space and the dielectric
layer, respectively. In addition, the air on the top and
bottom sides of the four-layer element are equivalent
to normalized susceptance Y and Y;, respectively, and
Y,=Y, = 1.

Metal layer 1
Dielectric layer
Metal layer 2

’I

)

P
<

Dielectric layer : dz
.Metal_layer 3 —
Dielectric layer d3
Metal layer 4 A
(a)
%}, . I#VH W ljrbz ¥i/Y, ¢L Yv¥y q]/ Er-l

1 in

(b)

Fig. 1. The four-layer element: (a) the general model, and
(b) the equivalent circuit model.

In the above design, according to the transmission
line theory, it can be obtained:

y1=1+jbs, 1

Vo = (h/Y) » BPBEOHBES 1y, ()
ys = (h/Y) » BB 1y, (3)
n = (6/Yy) » EURLOERE 4 (@)

B=w/o€oEr, (5)
Y1 = o/ €otr, (6)
Yo = v o/ &o- ()

Where p, and g, are the dielectric constant and
permeability in the free space. When y;,, = y, = 1, the
impedance matching condition is satisfied. Assume that
d, =d, =d; = ,/4 and &,=1 (4, is the wavelength at
center frequency), i.e., the dielectric layer is filled with air,
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then the relationship between b, and b, can be obtained:

1/2

b, = {lebl +jY, [— (12 = (Yob + Yy)) ]}
/(Yo?bi? + Y,?).

The transmission matrix of the normalized equivalent

circuit between the dashed line in Fig. 1 (b) can be written

as a cascade form of transmission matrices of a plurality
of two-port networks, as follows:

DAL
@ b]_Ll OrLl or 0 Jsy ©
c d .bl 1 .bz 1 ]}}:_0 0 s
1

®)

2
Sy =—7—.
2T a+b+c+d (10)
Then the transmission magnitude and the

corresponding transmission phase are calculated by
equation (9) and (10) in MATLAB, as shown in Fig.
2. Since there is no linear relationship between b; and
b,, there are two matching trajectories. One matching
trajectory is with |b;| lower than 2 and |b,| lower than
0.58 and another is with |b, | lower than 2 and |b, | lower
than 1.5, which form the red area in Fig. 2 (a). Seen
from Fig. 2 (c), a 360° phase range with transmission
magnitude greater than —0.45 dB is achieved. Thus, it is
necessary to design a one-layer structure whose equivalent
susceptance b can cover the variation range from -2 to 2.
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Fig. 2. The transmission characteristic of four-layer
elements calculated by MATLAB: (a) transmission

magnitude, (b) transmission phase, and (c) transmission
phase for magnitude > - 0.45 dB.

B. Element design

Due the advantages of the metal-only structure [11],
such as low cost and low loss, a metal-only slot-type
Jerusalem metal layer etched on the 0.2 mm aluminum
plate is designed, as shown in Fig. 3 (a). The operation
frequency is 6 GHz and the period are 15 mm (0.34,).
Full wave electromagnetic simulation software (HFSS)
is used to analyze the proposed metal layer which is
surrounded by the periodic boundary conditions and
illuminated by Floquet port. The capacitive and inductive
equivalent susceptance can be realized by changing the
size of the designed metal layer. As plotted in Fig. 3 (b),
it can be seen that the equivalent susceptance changes
from -3.3 to 2.3 when L varies from 11 mm to 14.5 mm,
which meet the design requirements of the metal layer.

The simulation of the proposed element composed
of four non-identical slot-type Jerusalem metal layers is
also conducted in HFSS. The element is divided in two
groups, the middle two layers form a group, and the
other two layers form another group, as shown in Fig. 4.
The structures in two group are exactly the same, but the
sizes are different. In this design, d=4,/4, p = 15 mm,
a;,=08xL;,a,=08%XL,,s=2mm,w=1mm.
And L, and L, range from 12 to 14 mm with a step size
of 0.1 mm. The transmission coefficient distribution
when L;and L, change from 12 to 14 mm is shown in
Fig. 5, it can be concluded that the proposed element is
able to cover the transmission phase range of 360° with
transmission amplitude greater than -0.45 dB.

To investigate the difference between the
transmission characteristics of elements obtained by
equivalent circuit model in MATLAB and that obtained
by full wave simulation in HFSS, some elements with
different sizes are picked out, as shown in Table 1.
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Obviously, the transmission magnitude and phase
obtained by full wave simulation in HFSS are slightly
different from that obtained by equivalent circuit model
in MATLAB. This is because the input impedance of the
one-layer slot-type Jerusalem element may not be ideal
pure susceptance, and the existence of conductance will
lead to the increase in transmission loss.

Normalized susceptance b

4 L L L L L L
1.0 115 12.0 125 13.0 135 140 145

L(mm)

(b)

Fig. 3. The slot-type Jerusalem metal layer: (a) the
model and (b) the equivalent susceptance b versus L.

/”\\_\
m)que‘t port T

.

.......

Fig. 4. The structure of the designed element.
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Fig. 5. The transmission coefficient of the proposed
element when L, and L, change from 12 to 14 mm: (a)
transmission amplitude distribution, (b) transmission phase
distribution, and (c) transmission amplitude > -0.45 dB.

In particular, for OAM transmitarray antenna,
because the far field radiation pattern of 3-bit quantization
transmitarray is very close to the continuous ones [12],
these eight elements in Table 1 are sufficient to form a
transmitarray. Thus, to reduce the simulation time, in
actual design, the theoretical dimension values L, and
L, to achieve desired phase can be obtained by the
corresponding relationship between dimension size and
equivalent susceptance value in Fig. 3 (b), where the
equivalent susceptance value is calculated by equivalent
circuit model in MATLAB. Then the full wave simulation
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analysis of the designed element is carried out in HFSS.

mnth

OAM waves

transmitarray
Fig. 6. The schematic of OAM transmitarray antenna.

Table 1: The transmission characteristics of some
elements

Circuit Model Eull-wa_ve
Simulation
b b |S21] | Phase | |S,1] | Phase
! > | (dB) | (deg) | (dB) | (deg)
1 0.5 1.0 0 0 -0.12 3.1
2 0.1 | 0.6 | -0.09 | 488 | -0.15 | 494
3 0 0 0 90 -0.09 | 90.2
4 -0.3 | -0.5 0 136.4 | -0.11 | 1404
5 -0.5 -1 0 180 -0.12 | 178.4
6 -1 -1.2 0 222.6 | -0.45 | 222.2
7 -15 | -14 0 272.3 | -0.23 | 272.2
8 09 | 1.3 0 312.7 | -0.19 | 301.6

11l. OAM TRANSMITARRAY DESIGN

Consider a planar circular aperture transmitarray
that are illuminated by a horn at position vector7, as
shown in Fig. 6. 7, is the position vector of the mn"
element, | is the desired OAM mode number which can
be an arbitrary integer, and @ (X, Vimn) IS the azimuth
angle of the mnt" element. To generate OAM beam
waves, the phase compensation can be accomplished by
varying the transmission phase ¢ (X, Yimn) Of €ach
element, which can be calculated as follows:

¢(xmn: ymn) = ko[lan - 7;}| - an ' ao]

+ 1o (Xmn, Yinn)-

Based on the proposed element and the phase
compensation equation (11), a transmitarray with circular
aperture composed of 648 elements is designed to
generate OAM beam waves with 1=+1. i, = (0°,0°)
and a left-hand circular polarization horn antenna whose
E-plane pattern can be represented as cos®°6 at 6 GHz
is used as a feeding source. Its maximum gain is
15.2 dBi. And the distance between the phase center
of the horn and transmitarray is about 490 mm. The
corresponding phase distribution of the designed
transmitarry is shown in Fig. 7.

(11)
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Table 2: The comparison of the proposed antenna with other published designs

ACES JOURNAL, Vol. 35, No. 3, March 2020

Element Array
Frequenc i
Refs. gH V' phase Maximum Dielectric . OAM Gain Aperture
(GHz) Range | Transmission Lavers Size Mode | (dBic) Efficiency
g Loss (dB) Y with I=+1
[9] 10 360° 1.94 With 21.71,° +1 14.8 11%
[14] 60 360° 1 With 144242 +1 21.5 7.8%
[15] 13.58 360° 15 Without | 45.71,° 0 23.9 —
This 6 360° 0.45 Without | 58.322,% | +1 19.2 11.3%
work
360 Where G represents the maximum gain of the antenna,
and A represents the aperture area. Thus, the maximum
300 aperture efficiency of the designed antenna is 11.3%,
batn which is higher than that of 11% in [9] and 7.8% in [14].
180
120
60
0

Fig. 7. The corresponding phase distributions of the
designed transmitarray.

IV. SIMULATED RESULTS

The full-wave electromagnetic simulation software
Ansys HFSS is used to analyze the proposed
transmitarray antenna. To observe the characteristics of
near-field E-field of the generated OAM beam waves, a
test plane is set at a distance of 1 m in front of the
transmitarray. The E-field characteristics of the OAM
beam waves on the test plane is shown in Fig. 8. It is
revealed that a doughnut-shaped magnitude is obtained
in the generated OAM beam waves and a phase
distribution varying from -180° to 180° is also observed,
which is accord with the property of OAM waves of
I=+1. The simulated two-dimensional (2-D) far-field
radiation patterns at 6 GHz are plotted in Fig.9. It is clear
that a zero-depth structure appears in the center of the
beam which agrees well with the characteristics of OAM
waves. The maximum gain is about 19.2 dBic and the
divergence angle is 6°.

In addition, the OAM mode purity which can be
calculated in [13] for the proposed transmitarray is
shown in Fig. 10. It can be seen that OAM purity
with I=+1 can reach up to around 90%. Besides, the
maximum aperture efficiency of the antenna can be
calculated by the following formula:

226G

=— 12)
41A

n

Fig. 8. The simulated E-field characteristics of the OAM
beam on the test plane: (a) phase distribution and (b)
magnitude distribution.

Finally, the element and array performances of the
proposed transmitarray antenna are compared with other
published designs, as summarized in Table 2. It can be
clearly seen that the proposed element can achieve a
360° phase range with a much lower transmission loss.



Compared with [9] and [14], the proposed transmitarray
antenna can generate OAM beam waves with much
higher aperture efficiency.

20

Gain(dBic)

g

—10

—154

-20

90 120 150 180 210 240 270
Theta(deg)

Fig. 9. The simulated 2-D far-field radiation patterns.
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Fig. 10. The OAM mode purity for the proposed
transmitarray.

V. CONCLUSION

In this paper, a transmitarray composed of 648
elements is designed to generate OAM beam waves
with I=+1. A full 360° phase shift with transmission
magnitude greater than -0.45 dB is obtained by using
wavelength slot-type Jerusalem elements with non-
identical layers. The full-wave electromagnetic simulation
is used to analyze the proposed transmitarray and the
simulated results confirm that OAM beam waves of
I=+1 with high gain and small divergence angle have
been successfully generated. The proposed design is an
effective method to generate OAM beam waves for
wireless communication applications.
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Abstract — Finite-Difference Time-Domain (FDTD)
method is a simple and powerful tool used to solve
electromagnetic (EM) problems. However, the drawbacks
of FDTD method are difficult to model the curved
boundaries and small features due to its restriction to
inherent orthogonal grids. We have previously proposed
that the B.-spline or biquadratic spline interpolation
technique for Overset Grid Generation and Finite-
Difference Time-Domain (OGG-FDTD) method be
utilised to overcome the limitations of FDTD method.
This proposed method has the ability to accurately
measure a scattered field around an unknown object.
In this paper, the OGG-FDTD method with Ba-spline
interpolation in Forward-Backward Time-Stepping (FBTS)
inverse scattering technique was proposed for the
detection and reconstruction of arbitrary shaped objects
in Case A and malignant breast tumour detection in Case
B. The results showed that the Mean Square Error (MSE)
of reconstructed dielectric profiles by using the proposed
method has achieved significantly lower values than
the FDTD method in FBTS. In Case A, the accuracy
difference between the two methods was 26.67% for
relative permittivity and 27.63% for conductivity,
respectively. In Case B, it was found that the
implementation of the proposed method increased the
accuracy of reconstructed the relative permittivity image
by 50.54%, and conductivity by 74.42% as compared to
the FDTD method in FBTS technique. Furthermore, the
values of normalised error function for the proposed
method were also lower than the FDTD method in FBTS.
Hence, it is proven that this numerical method can
provide clearer and better reconstructed images to
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improve the quality of retrieve the dielectric profiles of
the investigation area.

Index Terms — By-spline interpolation, buried object
detection, inverse scattering problem, overset grid
generation method.

I. INTRODUCTION

Microwave tomography is the new technology
which evaluates buried or embedded objects in a medium
by using EM waves. The main applications of microwave
tomography are ground-penetrating radar [1-3], buried
object detection applications in remote sensing [4-6],
non-destructive evaluation [7-9], and medical diagnostic
for biomedical engineering [10-13]. Microwave imaging
technique (MWT) for non-destructive evaluation utilises
frequency-domain [14] or time-domain [15] to solve the
electromagnetic (EM) scattering problems. The EM
scattering problems can be classified into two, which are
direct and inverse scattering problems, respectively. The
inverse scattering problem is the problem of determining
characteristics of an unknown objects from the
measurement data of a scattered field based on the actual
objects detected [16].

Several methods have been reported in literature for
solving the inverse scattering problem such as Bojarski-
Lewis method [17], Linear Sampling method [18], and
Lagrange Multipliers method [19]. However, those
methods have some limitations such as instability, fails
to estimate the target support for certain frequencies, and
needed a large number of data for images reconstruction.
Therefore, the Forward-Backward Time-Stepping (FBTS)
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inverse scattering technique by Takenaka et al. [20] is
utilised in this paper. The FBTS technique (also known
as an iterative inversion technique) can be used to obtain
the unknown electrical properties of objects by inverting
measure scattered-field data. Furthermore, the useful
quantitative information of the objects (e.qg., its shapes,
dimensions, locations and dielectric properties) also can
be determined by utilising FBTS technique.

Finite-Difference Time-Domain (FDTD) method
is a simple and powerful tool by which to solve
Electromagnetic (EM) problems such as scattering from
metal objects and dielectrics, microstrip circuits, antenna
analysis, electromagnetic wave propagation, and human
exposure to EM waves [21, 22]. It can investigate
multiple frequencies without any extra computational
effort. However, the limitations of the FDTD method are
difficult to model the curved boundaries and small
features due to its restriction to inherent orthogonal grids
[23, 24]. Several methods have been reported in literature
to improve the efficiency of the FDTD method, such as
sub-gridding, non-uniform, and sub-cell algorithm [25-
27]. However, those methods still have some drawbacks
such as: requiring high computation time and more
memory; as well as time step or cell size being restrictive
by the Courant-Friedrichs-Lewy (CFL) stability condition
[28]. Previously, we proposed the B2-spline interpolation
technique for Overset Grid Generation and Finite-
Difference Time-Domain (OGG-FDTD) method to
overcome these limitations [29]. This method has the
ability to accurately measure the EM scattered field for
an unknown object in a different medium.

In this paper, the OGG-FDTD method with B-
spline interpolation in Forward-Backward Time-Stepping
(FBTS) inverse scattering technique is proposed for the
detection and reconstruction of arbitrary shaped objects
and realistic breast composition. The performance of the
proposed method is evaluated by investigating the
characteristics of arbitrary shaped objects in transverse
magnetic z-plane (TM;) mode. The conjugate gradient
minimisation method by Fletcher-Reeves and Polak-
Ribiere-Polyak was used in this work for optimisation
technique in order to reconstruct the microwave images.

I1. OVERSET GRID GENERATION
METHOD WITH B,-SPLINE
INTERPOLATION IN FORWARD-
BACKWARD TIME-STEPPING INVERSE
SCATTERING TECHNIQUE

Figure 1 (a) shows the actual image of two
homogenous arbitrary shaped objects. These objects are
embedded in the Region of Interest (ROI) with free
space as the background medium. Figure 1 (b) shows the
reconstructed image by utilising the OGG-FDTD method
with B-spline interpolation in FBTS inverse scattering
technique. The OGG-FDTD lattice consists of two

ACES JOURNAL, Vol. 35, No. 3, March 2020

meshes, namely, main-mesh and sub-mesh. The sub-
mesh was set to overlap on top and centre of the main
mesh and used to model the arbitrary shaped objects.

Actual image If Reconstructed image

Measured
Data

Data
Processing
Tx/Rx]|

Main-mesh Tx/Rx

Overlapped
region in OGG- Tx/Rx

(@) (b)

Fig. 1. Configuration of OGG-FDTD method with B-
spline interpolation in FBTS inverse scattering technique.
‘Tx/Rx’ indicates the transmission and receiving
antennas.

The FBTS technique can be separated into two
steps: forward step and backward step [20]. The forward
step of the FBTS method begins with the excitation
of Gaussian pulse signal to the estimated profile of
the arbitrary shaped objects. The OGG-FDTD method
with B2-spline interpolation was used to calculate the
scattered fields for forward time-stepping. The B.-spline
interpolation was used to interpolate the EM field for the
overlapped region in OGG-FDTD lattice as shown in
Fig. 2. By-spline interpolation is using a set of lower
order polynomials between known values data points at
main mesh to determine the unknown value data point at
sub-mesh.

Overlapped —
regionin | _
0GG-FDTD
lattice

Palxa,¥a)  Ezpma]ing

Ezmim)

n R R
T—» (a) OGG-FDTD lattice (b) Four points B>-spline
m interpolation

Fig. 2. The overlapped region in OGG-FDTD method
with B-spline interpolation.

The EM field components on the main mesh are
set as E,, Hy, and Hy while on the sub-mesh are set as
E;, Hyand H,. The electric field on main mesh (E;)
is interpolated to sub-mesh (E,) through Bj-spline
interpolation technique. Ezpmm(X1, Y1), EZm+ym(X2, Y2),
EZmin+11(X3, ¥3), @nd Ezm+1n+11(X4, Ya) are the four known
value points at the main-mesh, while Eg[l_]m (x5,vs) isthe

unknown value point at the sub-mesh. Where, m and n
are the number of cell grids for main-mesh, whereas i
and j are the number of cell grids for sub-mesh. The



unknown value of ga(Xa, ya) is interpolated by using the
known values of Ezpmm(X1, Y1) and Ezm+ymi(Xe, Yo)
whereas the unknown value of @g(xg, yg) is interpolated
by using the known values of Ezjmm+1(Xs, y3) and
EZm+1in+11(X4, y4) at the x-axis. Then, the unknown value
of E}mm can be calculated by using the ga and ¢ at y-

axis as follows:

d —-d
' _ | Yimin+1] Y1[m]n] Y
Ezn = [ 2078 —72) ] Vs = ya)
+ | dypa] O = ¥a) + 0, (1)
i=012,..andj=0,12..
where,
_ _ 2(¢p—9a) _
dyi[m][n] =0, dyl[ml[n+11 T (yg-ya) Yimim] '
dx1 —dx1
— [m][n+1] [m][n] _ 2
P4 = [ 2Ge,—x0) ](xA x)° +
[d"l[m][nl] Cea —x0) + Byt
¥ Detpgm = 0 et pneny
_ Z(Ez[m+1][n]_EZ[m][n]) _
(x2—%1) *mim)
dx2 —dx2
— [ml[n+1] [m][n] _ 2
Yp = [ 2(ta—r3) ](xB x3)° +
[dxz[m][n]] Ctp = %3) + Ezppp4ay:
¥ gy = 0 Grzpnan
_ 2(Ez[m+1][n+1]_Ez[m][n+1] —d
(x4—%3) *2[m][n)’

m=20,12,...andn=0,1,2....

Similarly, the Hy and Hy fields for the overlapped
region in OGG-FDTD lattice were interpolated by using
the same interpolation process.

Then, the E,” fields on the sub-mesh were
interpolation back into the main mesh, so that the electric
fields (E,) on the main mesh are updated. This algorithm
continued until the time-stepping was concluded. The
details regarding OGG-FDTD method with By-spline
interpolation can be found in [29].

The forward time-stepping reconstructions data at
the receiving point were collected and compared with the
measurement data. The backward step of the FBTS
method was used to calculate the adjoint field in OGG-
FDTD lattice. The adjoint field is the field which radiates
from the equivalent impressed currents of the different
of the forward time-stepping reconstructions data and
measurement data. Then, the backward time-stepping
reconstructions data at the receiving point were collected
and compared with the measurement data. The difference
between measured and calculated scattered fields was
utilised as a source by which to irradiate the original
profile.

The cost functional, Q(p) was used to minimise the
number of iterations for the FBTS reconstruction as
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shown in (2):
_ (ToMm N K () [V (05737, 0)

Q(p) - fo Zm:l Zn:l _ Vm(Trf, t)lzdt ' (2)
where, K,,,,, (t) is a non-negative weighting function, and
T is the time duration of measurement. V;, (1, t) is the
calculated electromagnetic fields vector for an estimate’s
medium parameter vector p, and V,,,(r;,, t) is the measured
EM fields vector for the m™ source. The cost functional
was computed by comparing the estimated profiles to the
actual profiles until the different between both profiles
are lower.

Following this, the estimated permittivity values for
the next iteration are as shown in (3):

g (r) = gf (r) + a*di(), ®)
where, k is the current optimisation iteration number
in the FBTS optimisation, £*(r) indicates permittivity
values in the reconstruction region, d¥(r) is search
direction, r represents variation in space (i.e., r gives the
X, y spatial coordinate), and a* is the approximate step-
size.

An analytical approximation approach is used to
calculate the step size, « by substituting the term p =
& + ad, from (3) into (2). The cost functional, Q(p) for
current iteration can be calculated as follows:

Q) =[] Sy Ty S 2

m
Then, calculate the cost functional Q(p)for the 1%
iteration as reference:

Qm®) = Jy Zhtey 2oy K B2 dt. ()

The normalisation of Q(p) can be calculated by utilizing
(4) and (5) as:

Normalisation of Q(p) = —22- . (6)

Qvm(p)

The conjugate gradient minimisation methods by
Fletcher-Reeves and Polak-Ribiere-Polyak were used as
optimisation techniques for optimal control of machine
computation problems and also to minimise the
functional error. The gradient functional can be obtained
by introducing the Fréchet derivative to (2). The gradient
vectors are then found with respect to the permittivity
and conductivity as demonstrated in (7) and (8).

TyM 2 P 0 P
gsr(r) = fo Zm:l Zi:l Wini <T’,>% VUmi (I‘,) dat, (7)
t t

9o(r) = [3 Tty Ty Woni (03 7, Ovei (03, O . (8)
The terms v,,; (p; 7, t) and wy,; (p; r, t) refer as the
i"" component of the EM field, v,,(p;7,t) and adjoint
field vector, w,, (p; , t). The adjoint fields are calculated
by propagating the residual scattered signals being
reversed in time and utilised as sources. The summation
term from i = 1 to i = 2 represents the fact that in two-
dimensional (2D) the gradients are calculated using the
x- and y-components of v,,; and w,y,;.
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Fig. 2. Configuration of arbitrary shaped objects in 2D
OGG-FDTD scheme.

I11. NUMERICAL MODEL SETUP
Figure 2 shows the configuration of an active
microwave tomography in 2D. The OGG-FDTD method
with Bo-spline interpolation in FBTS technique was used
to solve the non-dispersive inverse scattering problem in
TMgz. The actual dielectric profiles setting is listed as in
Table 1.

Table 1: Actual dielectric profiles setting

Layer Media Region | &, (F/m) | ¢ (S/m)
Layer 1 Background 1.00 0.00
(Main-mesh) ROI 9.98 0.18
Layer 2 Avrbitrary
(Sub-mesh) | shaped objects 21.45 0.46

The main-mesh was set to 190 mm x 190 mm grids
and the sub-mesh was set to 60 mm x 60 mm grids. The
Region of Interest (ROI) is a circular shape with a radius
of 50 mm and located on the middle of the main-mesh.
The dielectric properties of the ROI are assumed to be
the fatty tissues, and the arbitrary shaped objects are
assumed to be the fibroglandular tissues in the breast.
The background of the FDTD lattice is assumed to be free
space. Reconstructions were conducted by utilising the 1
mm x 1 mm OGG-FDTD grid size and the optimisation
was carried out for 100 iterations. A sinusoidal modulated
Gaussian pulse with centre frequency of 2.0 GHz and
bandwidth of 1.3 GHz acted as the excitation signal
in the simulations. Sixteen (16) points represented as
antennas encircle the ROl with a radius of 85 mm. Each
of the point source antennas acted as a transmitter that
sequentially transmitted a Gaussian pulse. The remaining
15 antennas became the receivers to collect the scattered
fields in the OGG-FDTD lattice. The details regarding
the effect of different MWT parameters such as the noise
of the scattered data, number of antennas, and frequency
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of operation can be found in[11, 30, 31]. The Convolution
Perfectly Matched Layer (CPML) with 15 cells are
utilised in this work as absorbing boundary condition
(ABC) to absorb the travelling wave without reflections
from the edge.

IV. RESULTS AND DISCUSSION

In this section, the performance of OGG-FDTD
method with Ba-spline interpolation in Forward-
Backward Time Stepping (FBTS) inverse scattering for
the detection and reconstruction of buried objects is
being evaluated. A homogenous arbitrary shaped object
is chosen in this research to validate the competency of
the proposed method in Case 1. Then, the efficacy of this
proposed method is applied to inhomogeneous realistic
breast cancer detection application in Case 2.

A. Case 1: Multiple arbitrary shaped objects

Figure 3 illustrates the actual and reconstructed
relative permittivity profiles of the numerical model in
Case 1. The actual profile of the relative permittivity is
presented in Fig. 3 (a), whereas the reconstructed relative
permittivity images are shown in Figure 3(b) for FDTD
method in FBTS, and Fig. 3 (c) for OGG-FDTD method
with By-spline interpolation in FBTS. The curved
boundaries and small features of an arbitrary shaped
objects cannot be modelled by using the FDTD method
in FBTS. In contrast, the OGG-FDTD method with
B.-spline interpolation in FBTS is able to accurately
reconstruct the curved boundaries and small features of
an arbitrary shaped objects.
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(b) Reconstructed relative permittivity profile for
FDTD method in FBTS
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!
®

(c) Reconstructed relative permittivity profile for OGG-
FDTD method with B-spline interpolation in FBTS

Fig. 3. Actual and reconstructed relative permittivity
profiles of the arbitrary shaped objects in Case 1.
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Fig. 4. Actual and reconstructed conductivity profiles of
the arbitrary shaped objects in Case 1.

Figure 4 illustrates the actual and reconstructed
conductivity profiles of the numerical model in Case
1. Figure 4 (a) depicts the original profile of the
conductivity, whereas Fig. 4 (b) shows the reconstructed
conductivity image for FDTD method in FBTS, and Fig.
4 (c) shows the reconstructed conductivity image for
OGG-FDTD method with By-spline interpolation in
FBTS. The OGG-FDTD method with Ba-spline
interpolation in FBTS inverse scattering technique was
successfully detected and accurately reconstructed the
conductivity profiles of arbitrary shaped objects. The
accuracy of the OGG-FDTD method with By-spline
interpolation in FBTS was investigated by using the
Mean Square Error (MSE) as follows:

MSE = ZM.N[PA(XJV)_PR(X'J’)]Z, )

MN

where, P,(x,y) is actual dielectric profile, Pg(x,y)
is reconstructed profile, and M X N is an image’s
dimension. Table 2 shows the MSE analysis for these
two methods. The results showed that MSE of
reconstructed dielectric profiles by using the proposed
method has achieved significantly lower values than
the FDTD method in FBTS. The accuracy difference
between the two methods was 26.65% for relative
permittivity profile and 27.63% for conductivity profile.
It has been proven that the OGG-FDTD method with B;-
spline interpolation in FBTS inverse scattering technique
can provide accurate results and further improve the
quality of reconstructed images such as its location,
shape, size and internal composition, respectively.

Table 2: MSE of dielectric profiles

MSE
Methods Relgti_v € Conductivity
Permittivity -
: Profile
Profile

FDTD method in FBTS 2.064 1.52 x 1073
OGG-FDTD method

with Bz-spline 1.514 1.10x 1073
interpolation in FBTS

The accuracy of the OGG-FDTD method with B.-
spline interpolation in FBTS inverse scattering technique
was further investigated by normalising the functional
error. Figure 5 shows the normalised functional error
versus the number of iterations. It was found that the
normalised functional error decreased when the number
of iterations increased. As can be seen, the normalised
functional error for the OGG-FDTD method with Bo-
spline interpolation in FBTS is lower as compared to the
FDTD method. At the 100™ iteration, the difference of
normalised functional error between these two methods
was 6.06 x 1078, Hence, the OGG-FDTD method with
B.-spline interpolation in FBTS has the ability to retrieve
the dielectric profiles accurately.
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B. Case 2: Heterogeneous dense realistic breast

The mammograms for four breast parenchymal
density based on BI-RADS [32] are: Class A (mostly
fatty breast); Class B (scattered density breast); Class C
(heterogeneously dense breast); and Class D (extremely
dense breast). In order to analyse the accuracy of the
OGG-FDTD method with B-spline interpolation in FBTS
inverse scattering technique to detect a malignancy
tumour embedded in arbitrary shaped of the fibroglandular
region, the heterogeneous dense realistic breast was
described in Case 2.
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2Ly 4
. 10 \“ \
o sl
5 X
— 0% W
20
.2 )
4
LE 10 ‘\\ s\
\,

3 \‘ * ~
.2 \
= 5| " Vo
20
5 RN
Z N S~

100 F Neaee. T=el

107 L I L L o=

0 20 40 60 80 100

Number of Iterations

Fig. 5. Normalised functional error versus number of
iterations.

The heterogeneously dense breast (also known as
Class C breast) has large areas of dense fibrous and
glandular breast tissue. Hence, it is difficulties to spot
abnormalities in the Class C than in Classes A, and B,
respectively. The heterogeneously dense breast phantom
from Nagasaki University Hospital was chosen in this
research for inhomogeneous breast cancer detection
application. The breast tissues in this phantom have
realistic ultra-wideband dielectric properties and can be
readily used in FDTD computational electromagnetic
models. This phantom is derived from a series of T1-
weighted magnetic resonance images (MRIs) of patients
in a prone position. Each numerical phantom comprised
a three-dimensional (3D) grid of cubic voxels, where each
voxel measures 0.5 mm X 0.5 mm X 0.5 mm. This 3D
anatomical model was transformed into non-dispersive
dielectric properties utilising spatial distributions. In
order to satisfy the OGG-FDTD grid size, this model
needed to resize from 0.5 mm X 0.5 mm X 0.5 mm to
1.0 mm X 1.0 mm X 1.0 mm. The resize process was
implemented by using linear interpolation technique.
Figure 6 illustrates the 2D numerical setup of an active
microwave tomography for breast in OGG-FDTD lattice.

In this research, the non-dispersive heterogeneously
dense breast composition was assumed to be immersed
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in a free space as a background medium. The FDTD
lattice as main mesh is consists of 190 mm x 190 mm
cells and surrounded by fifteen-cell of Convolution
Perfectly Matched Layer (CPML). The sub-mesh is
overlapping on top of the main mesh with 90 mm X
130 mm cells. The cell size for main-mesh and sub-
mesh is Ax =1 mm and Ay = 1 mm. The sub-mesh
was modelled as an entire numerical breast phantom. A
radius of 5 mm tumour was added in the fibroglandular
region of the numerical breast. The actual setting of
numerical measured data is referring to nominal
Debye parameters as shown in Table 3. Skin, adipose,
fibroglandular, and tumour are the four kinds of breast
tissues.
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Fig. 6. Configuration of the realistic breast phantom in
2D view.

Table 3: Electronic property parameters utilised for
breast tissue [20]

Tissue €. (2 GHz) ¢ (2 GHz)
Skin 36.73 0.46
Adipose 9.98 0.18
Fibroglandular 21.45 1.43
Tumour 53.62 1.19

The sinusoidal modulated Gaussian pulse is used
as excitation signal with centre frequency of 2.0 GHz
and a bandwidth of 1.3 GHz. The OGG-FDTD method
with biquadratic spline interpolation in FBTS inverse
scattering technique was simulated up to 150 iterations
to reconstruct the image of internal breast composition.

Figure 7 (a) shows the actual relative permittivity
profile of non-dispersive heterogeneous dense realistic
breast. Figure 7 (b) illustrates the reconstructed relative
permittivity profile of the FDTD method in FBTS. Figure
7 (c) shows reconstructed relative permittivity profile
of the OGG-FDTD method with B-spline interpolation
in FBTS. These two methods have successfully
reconstructed the malignancy tumour placed within the
fibroglandular region. However, the reconstructed images
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by these two methods are slightly different as compared
to the actual distribution image. The curved boundaries
and small features of an arbitrary shaped fibroglandular
region cannot be modelled by using the FDTD method
in FBTS. In contrast, the OGG-FDTD method with B,-
spline interpolation in FBTS was able to accurately
reconstruct the curved boundaries and small features of
an arbitrary shaped of the fibroglandular region.

4

(b) Reconstructed relative permittivity profile for
FDTD method in FBTS

(c) Reconstructed relative permittivity profile for OGG-
FDTD method with B-spline interpolation in FBTS

Fig. 7. Actual and reconstructed relative permittivity
profiles of the breast phantom in Case 2.

Figure 8 (a) shows the actual conductivity profile of
a heterogeneous dense realistic breast phantom in Case
2. As illustrated in Fig. 8 (b), the embedded tumour is
unable to be detected in conductivity reconstruction by
utilising the FDTD method in FBTS. To address this
issue, a new numerical method based on the OGG-FDTD

method with By-spline interpolation in FBTS inverse
scattering technique was proposed to determine the
presence and location of malignant tumours in the breast.
Whereas, the proposed method has successfully detected
and reconstructed the breast composition of the
conductivity profile as depicted in Fig. 8 (c).
Reconstructed image clearly indicates the value of the
dielectric parameters as being almost identical to the true
values of the tumour located within the fibroglandular
region as well as its position and size.
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(b) Reconstructed conductivity profile for FDTD
method in FBTS
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(c) Reconstructed conductivity profile for OGG-FDTD
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Fig. 8. Actual and reconstructed conductivity profiles of
the breast phantom in Case 2.

The accuracy of actual and reconstructed profiles
can be investigated by using Mean Square Error (MSE).
In terms of MSE level, the reconstructed relative
permittivity profile by the FDTD method in FBTS
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attained an accuracy of rating 24.829 while the OGG-
FDTD method with Ba.spline interpolation in FBTS
attained an accuracy level of 12.279. It was found that
the implementation of the OGG-FDTD method in FBTS
technique increased the accuracy of reconstructed the
relative permittivity image by 50.54% as compared
to the FDTD method in FBTS technique. Further, the
MSE for reconstructed conductivity profile achieved
an accuracy level of 0.043 for the FDTD method in
FBTS, while the OGG-FDTD method in FBTS achieved
an accuracy rating of 0.011. Hence, the MSE for
reconstructed conductivity profile utilising the proposed
method achieved significantly lower values than the
FDTD method in FBTS.

= = =FDTD method in FBTS
----- OGG-FDTD method with B2-spline Interpolation in FBTS

Normalised Functional Error
v
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~~~~~~
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Fig. 9. Normalised functional error versus number of
iterations for Case 2.

In this research, the gradient optimization was
carried out up to 150 iterations to reconstruct the breast
image and minimise the cost functional error. Figure 9
shows that the normalised functional error for OGG-
FDTD method with B-spline interpolation in FBTS is
lower as compared to the FDTD method in FBTS. At
150" iteration, the difference of normalised functional
error between these two methods was 2.87 x 107>,
Numerical results demonstrate the efficiency of the
proposed method in providing better reconstructed images
as compared with the FDTD method in FBTS. Hence,
the numerical simulations were able to demonstrate the
ability of the proposed method to accurately determine
the quantitative information of a heterogeneous realistic
breast.

V. CONCLUSION
In this study, the OGG-FDTD method with B,-
spline interpolation in FBTS inverse scattering technique
for reconstruction of arbitrary shaped objects embedded
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in the ROI and the malignant breast tumour detection in
heterogeneous dense realistic breast have been presented
as Case 1 and Case 2, respectively. The proposed
numerical method provides clearer and better
reconstructed images as compared with the FDTD
method in FBTS. Hence, it can be concluded that the
proposed method was able to determine the quantitative
information of arbitrary shaped objects and breast
composition accurately. The location, shape, size and
dielectric properties of a tumour within an arbitrary
shape of fibroglandular region also can be determined.
For future work, this numerical method can be applied to
reconstruct malignant breast tissues in different breast
parenchymal density.
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Abstract — Hand-assembled cable bundles are random
harness whose crosstalk is difficult to obtain accurately.
A crosstalk prediction method of hand-assembled cable
bundles is proposed in this paper. The harness is modeled
by means of the mean pseudo-random number based on
the cascade method. The factors considered in the model
include the random exchange of wires position in the
wiring harness cross section and the random rotation
of the cross section to the ground. A mathematical
description of the random exchange of wires position is
made by using the row and column transformation of the
per unit length RLCG parameter matrix. BP neural
network with strong nonlinear mapping ability is
introduced to describe the random rotation of wiring
harness to the ground. Combined with the finite-
difference time-domain (FDTD) method, the crosstalk of
the wiring harness is predicted. Experimental results
show that the new method has good accuracy in
predicting crosstalk of hand-assembled cable bundles.
The higher the twisting degree of the wiring harness is,
the more concentrated the crosstalk is.

Index Terms — Crosstalk, finite-difference time-domain
(FDTD), multiconductor transmission line (MTL),
neural network, random bundles.

I. INTRODUCTION

In the field of aerospace and automobile machinery,
transmission lines with some similar characteristics will
be tightly fixed by manual binding for the convenience
of wiring or aesthetics. A large number of transmission
lines are laced together, which increases the possibility
of electromagnetic interference (EMI) between wires.
With the increase of working frequency, the EMI
increases significantly, and the crosstalk between wiring
harnesses cannot be ignored [1-2].

The traditional transmission line model is a uniform
multiconductor transmission line (MTL). The crosstalk
value can be obtained by solving the transmission line
equation directly [3]. The wire position changes
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irregularly along the longitudinal dimension of the hand-
assembled cable bundles, and the position of the wires in
the section is random and unknown [4-5]. Due to the
randomness of the wire position, the per unit length
(p.u.l) RLCG parameter matrix of different spatial
locations may be different. It is difficult to predict the
crosstalk of hand-assembled cable bundles directly by
conventional methods. Broadly speaking, the crosstalk
prediction of random wiring harness can be classified
into probabilistic model which studies the basic
theoretical parameters of crosstalk [6-7], and numerical
solution method which simulates the actual random wire
trajectories combined with Monte Carlo method [8-10].

In the last two or three decades, a large number of
scholars have conducted prediction studies on random
wiring harness [11-13], and most scholars have focused
their research on the parameter matrix of the harness. In
[14], the geometrically symmetrical conventional harness
and the irregularly shaped harness are researched. It is
verified that the crosstalk between the wires is mainly
affected by the position of the generator and the receptor
wires. Sun uses the random displacement spline
interpolation (RDSI) algorithm to model a random wire
harness. The model is used to predict the crosstalk of the
harness and evaluate the effectiveness of the method in
an experimental environment [15]. In [16-17], the hand-
assembled cable bundles are segmented, assuming that
the shape of the cross section remains unchanged with
the bundle axial direction, and the cross section shape of
all the small segments is unchanged. The probability
distribution of the inductance and capacitance parameter
matrix of a single wire harness cross section is analyzed
by using statistical method, and then it is combined with
the convolution principle to analyze the “reasonable
worst-case” crosstalk of the harness.

The crosstalk of random stranded wiring harness can
be predicted by the cascade method [18]. The finite-
difference time-domain (FDTD) method is also a special
cascade transmission line method in essence. Compared
with the conventional cascade method, the FDTD
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algorithm has the advantage of more spatial segments,
higher accuracy and better adaptability to solve the
crosstalk. The FDTD method can solve the crosstalk in
time and frequency domain conveniently. Some scholars
have applied the FDTD method to solve crosstalk with
nonuniform MTLs [19-20].

The above literature only considers the exchange of
wires position. Actually, there may be a change in the
angle of the cross section to the ground after the wiring
harness is segmented. Accordingly, the effect of the
angle on the RLCG parameter matrix is explored in
this paper. Furthermore, this paper proposes that the
exchange of wires position is equivalent to the
elementary transformation of the p.u.l. RLCG parameter
matrix, which greatly simplifies the analysis of the
influence of the random exchange of wires position on
crosstalk. Considering the impact of rotation on the
harness, the BP neural network is introduced. BP neural
network has a strong non-linear mapping ability [21-23].

This paper is organized as follows. A model of the
hand-assembled cable bundles is established in Section
I. In Section Ill, the influence of random exchange
of wires position on the parameter matrix is firstly
expressed mathematically. Then, the influence of cross
section rotation on the RLCG parameter matrix is
analyzed by the BP neural network. In Section 1V, a
specific wiring harness model is analyzed by using the
new method, probability method, and the experimental
method. Section V gives the conclusions of this paper.

I1. MODELING OF HAND-ASSEMBLED
CABLE BUNDLES

Hand-assembled cable bundles are the random
harness, but the “random” of the harness has its own
characteristics. Combining the characteristics of the
hand-assembled cable bundles model shown in Fig. 1,
the n-core harness with length d is evenly divided into
N segments, such as the length of S; and S; is equal.
Therefore, the following assumptions are made for the
modeling of the random wiring harness:

1) The parameters of each wire are identical,
including the material and radius of the wire and
insulation.

2) The transmission line in each segment is regarded
as a parallel and uniform transmission line.

3) The wires in the harness are close together, and
the geometric shapes of the cross sections at different
positions remain unchanged.

1 2 N-1
=S=IEs o i=

:81|82|

Fig. 1. Photo of the hand-assembled cable bundles.
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Hand-assembled cable bundles change irregularly
and randomly along the longitudinal dimension of the
wiring harness. The randomness of wiring harness can
be described by twisting degree g (#=0). The more
irregular the wiring harness is, the higher the twisting
degree is. The twisting degree represents the number of
segments divided per meter, which is obtained from
experience. The number of segments N of the wiring
harness is an integer related to twisting degree £, which
satisfies the empirical formula:

WCIE

1 B<

where [] is an integer symbol. The direction of the twisted
wiring harness is arbitrary, and the number of twisted
wires per segment is unknown (the wires in each segment
are divided into twisted wires and untwisted wires).

, @)

[ Ground | Ground ] Ground
€Y (b) (©

Fig. 2. Cross section of seven-core wiring harness: (a)
reference, (b) position exchange, and (c) angle change.

According to the idea of the cascade method of the
MTL, hand-assembled cable bundles can be segmented,
and the wiring harness in the small segment can be
regarded as a parallel MTL. For the convenience of
the modeling process description, a seven-core wiring
harness is used as an example. Along the axial direction,
the wire position change may occur between the different
segments, as shown in Fig. 2 (a) and Fig. 2 (b). In
addition to the wire position change, the wiring harness
may also have a rotation change of angle a (o €[0,360°))
as shown in Fig. 2 (a) and Fig. 2 (c). The effect of
rotating a certain degree is similar to that of the wire
position change. For example, the wiring harness in Fig.
2 (a) is rotated counterclockwise by 60° and is the same
as the effect of Fig. 2 (b). However, only the rotation
change cannot make the central wire (No. 4) in Fig. 2
participate in random exchange.

The schematic diagram of random harness modeling
is shown in Fig. 3. Figure 3 (a) is a model schematic
diagram of parallel MTL. Figure 3 (b) is a model
schematic diagram considering only the random exchange
of wires position, in which the geometric shapes of the
cross section are unchanged relative to the reference
ground. In this paper, if there is no special explanation,
“random” refers to a random function that obeys uniform



distribution. Figure 3 (c) is a schematic diagram of a
random harness model considering both the random
rotation angle factor and the wires position exchange.
Figure 3 (d) is a wire harness model diagram
corresponding to Fig. 3 (c).

Obviously, if the positions of two wires can only be
exchanged randomly at a time without considering the
change of the rotation, any two cross sections can be
converted to each other by n-1 exchange at most.

(d)

Fig. 3. Model of seven-core wiring harness: (a) parallel,
(b) random exchange of wires position, (c) random
rotation based the exchange of wires position, and (d)
hand-assembled cable bundles.

1. CROSSTALK ANALYSIS OF HAND-
ASSEMBLED CABLE BUNDLES

A. The p.u.l. RLCG parameter matrix considering
the random exchange of wires position

For ease of study, consider only the changes in Fig.
3 (a) to Fig. 3 (b) in this part. The equivalent circuit of
the p.u.l. MTLs is shown in Fig. 4, where dz is expressed
as an infinitely short transmission line. The p.u.l.
resistances of the circuit are represented by the entries r;
and r;. The p.u.l. self-inductances and mutual inductances
of the circuit are denoted by the entries I;; and ljj. The
p.u.l. self-capacitances and mutual capacitances of the
circuit are expressed by the entries c; and c;;. The p.u.l.
conductances of the circuit are described by the entries
gi and g;. The resistance R, the inductance L, the
capacitance C and the conductance G parameter matrix
of the n-core wiring harness on the return plane are all
nxn order matrices [3]. Specifically expressed as:

Xj1 X2 o Xt Xt Xqg
Yo Koz T R T %t Y
ety o
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where X stands for the R, L, C, and G parameter matrices,
and the parameter matrix X is a symmetric matrix. x
represents the value of resistance r, the inductance I, the
capacitance ¢ and the conductance g corresponding to
different parameter matrices.

N ndz oz 1,(z +d2)

i o—p—o" 1 MMM »—o0
+ +
Ui(z)| . |ide£ cijdz== gijdll-Jl] Ui(z+dz)
jo > — *rry »—

+ ridz I,z I (z}+dz) &
U@ - = = Ui(z+dz)
‘7 . cjdz T c;dz] gjdz g“dz[l] e
0 o—=t <o

Fig. 4. The equivalent circuit of per unit length MTLSs.

The transmission line equations are:

0 0
EV(z,t):—R(z)l(z,t)—L(z)al(z,t), 3

0 _ 0
2 | (z,t)_—G(z)V(z,t)—C(z)EV(z,t) , 4)

where V(z,t) and I(zt) are voltages and currents at
different locations and at different times on the MTLs
[3]. The R(z), L(2), C(2), and G(z) parameter matrices are
variables with respect to the position z of the MTLs, and
the MTLs at different positions of the wiring harness
may have different parameter matrices. According to the
model of hand-assembled cable bundles in the previous
section, it can be known that the position of the wires in
the cross section of the segmented wiring harness has
changed relative to the reference cross section.

Assume that only two wires have exchanged
positions which are the i-th and j-th wires, respectively,
and the corresponding parameter matrix after the
exchange can be expressed as:

ETR TR Xj o X0 Xin |
You Ko 7 Ry T i T Y
Xy Xop X;ﬂ Xy Xr‘m_

It can be seen from (2) and (5) that the row and
column parameters irrelevant to i and j in the two
parameter matrices remain unchanged. The parameter
matrix in (5) can be obtained by exchanging the
parameter matrix in (2) between the i-th row and the j-th
row and between the i-th column and the j-th column.

The elementary matrix Pj; is defined as the matrix
after the exchange of the i-th and the j-th row (or the i-th
and the j-th column) of the identity matrix:
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The relationship between X and X" can be expressed
as:
X'=RjXpy. (7
When there are more than two wires exchange
positions in the small segment, the parameter matrix
after the exchange can be expressed as:
X'=R...BXR...R, (8)
where Pi(i=1,2,...,k) is an elementary matrix, k is the
number of wire exchanges, 1 < k < n-1.
The p.u.l. RLCG parameter matrix of any small
segment in Fig. 3 (b) can be obtained by (8).

B. The p.u.l. RLCG parameter matrix considering
the change of rotation angle

The analysis of the previous part only considers the
wire position exchange in the small segment, without
considering the rotation angle of the small segment to the
ground. Since the hand-assembled cable bundles are the
random harness, the position of the wires and the rotation
angle of the small segments are both random. Different
rotation angles correspond to different RLCG parameter
matrices. It is difficult to obtain a parameter matrix of an
arbitrary rotation angle by a conventional method. Any
determined rotation angle of the small segment has its
unique corresponding parameter matrix. There is a
nonlinear mapping relationship between the rotation
angle and the parameter matrix. Therefore, an algorithm
with strong nonlinear mapping ability, BP neural
network, is introduced in this paper. The specific mapping
relationship is shown in Fig. 5.

Hidden layer Output layer
Parameter matrix

Input layer

Fig. 5. Mapping topology of rotation degree and
parametric matrix based on BP neural network.
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In Fig. 5, the input parameter is the degree of
rotation Ig, and the number of corresponding neurons is
one. The output parameter is the RLCG parameter
matrix, which is represented by the array Op=[0O4, Oy,...,
Onp], Where n, is the number of corresponding neurons.
Its value is equal to the number of elements of the RLCG
parameter matrix. According to the actual cross section,
samples of the parameter matrix under different rotation
degrees are collected and used to train the BP neural
network. The BP neural network structure used in Fig. 5
belongs to the small to medium neural network, so one
hidden layer can meet the requirements. The number of
neurons in the hidden layer ny is an empirical range value
determined by the number of neurons in the input layer
and the output layer, specifically:

nh:./1+np +n;, 9)

where n. stands for a constant of the interval [0, 10], and
the specific value depends on the specific situation.

The sigmoid function f; (x) is used for input layer to
hidden layer, and the linear function f, (x) is used for
hidden layer to output layer. Respectively,

1
fl(x)_1+e—x ! (10)
f,(x)=x. (11)

After the signal propagates forward through the
input layer, hidden layer and output layer of BP neural
network, the p.u.l. RLCG parameter matrix output value
Oy of the k-th output layer is:

i exp(—(wlj Ig +0; ))+1
where waj denotes the weight between the input layer and
the j-th hidden layer. The threshold of the j-th hidden
layer is represented by 6. The weight between the j-th
hidden layer and the k-th output layer is denoted by V.
The threshold of the k-th output layer is indicated by by.

The training sample data group is m. The iteration is
stopped when the mean square error (MSE) between the
output value and the target RLCG parameter matrix
value y is less than the error precision E or the training
times is not less than the max-epoch. Then the BP neural
network outputs the weights and thresholds of each layer.
Otherwise, training will continue. The error precision E
can be expressed as:

E:%ZZ (Oij_yij)2 , (13)

i=l j=1

0, =

+b, (12)

where Oj; stands for the value of the RLCG parameter
matrix obtained by the j-th neuron of the output layer
after the i-th training sample passes through the BP
neural network. The sample standard value is represented

by ij.



The training process is the adjustment process of the
weights and thresholds. The weights of the two layers are
similar to the threshold adjustment method. The weights
between the hidden and output layer adjustment are
illustrated as an example. The Levenberg - Marquardt
(L-M) algorithm is used to adjust the values:

Wieyq =W + AW, , (14)

A =—[ 3T W) I W)+t ] 3T (w)re,  (15)

where wy and w1 are the weights before and after the
adjustment of each layer, respectively. And where J
denotes the Jacobi matrix of the error e with respect to
the weight w, u is the scalar factor, and | stands for the
identity matrix. The L-M algorithm controls the speed of
the iteration by changing the value of x. The error e is the
MSE of each layer corresponding to each training sample:

e=%zp(0k—yk)2: (16)
k1

where Oy represents the network output value of the
hidden layer or the output layer and where yi is the
sample standard value. Through the analysis of this part,
we obtain the p.u.l. RLCG parameter matrix considering
the rotation angle of the small segment to the ground.

C. Crosstalk analysis

The transmission line equations (3) and (4) are
processed by the Wendroff differential format to obtain
the FDTD method expression of crosstalk [24]. The
FDTD method divides the transmission line into a large
number of small segments, and the number of small
segments NDZ divided by the FDTD method is far more
than the wiring harness segments N. Therefore, the
crosstalk of the hand-assembled cable bundles can be
calculated by the FDTD method in this paper.

The flow chart of crosstalk prediction for random
wiring harness is shown in Fig. 6. It can be seen from the
flow chart that the crosstalk solution of the segmented
wiring harness can be divided into two parts, which are
the extraction of the parameter matrix of each segment
and the crosstalk solution using the FDTD method,
respectively. In the process of extracting the parameter
matrix for each segment, the RLCG parameter matrix
samples with different rotation degrees are extracted by
using the ANSYS Q3D software based on the finite
element method (FEM) after selecting a reference cross
section. The BP neural network that can map any rotation
degree is obtained by training samples. Remarkably,
the rotation degree of each segment to the ground is
generated randomly in the interval [0, 360°), and the
corresponding parameter matrix can be quickly solved
by combining the trained BP neural network. In
wire exchange, the number of exchanges is generated
randomly in the interval [1, n-1], which corresponds to
the number of elementary transformations of the p.u.l.
RLCG parameter matrix. The number of two wires

YANG, YAN, ZHAO, WANG, LIU: CROSSTALK OF HAND-ASSEMBLED CABLE BUNDLES

exchanged each time is a random number on the interval
[1, n], which determines the elementary matrix of each
transformation. According to the basic idea of the Monte
Carlo method, the numerical characteristics of random
variables can be used as a reference for the solution of

the problem.

Each segment

FEM Crosstalk

Physical parameters of harness ‘

)
‘ Parameter matrix sample of harness ‘
- End
Rotation angle
Y
Parameter matrix after random
rotation change

Exchange times
and the wires

[ number of
each exchange

‘Parameter matrix after random exchange ‘

Fig. 6. Flow chart of random wiring harness crosstalk
prediction.

IV. VERIFICATION AND ANALYSIS

In this paper, the seven-core hand-assembled cable
bundles are used as an example to verify and analyze the
new method. The single wire radius in the wiring harness
is 0.4 mm and consists of 25 strands of thin copper wire.
The insulating material of the wire is the polyvinyl
chloride (PVC) with the relative permittivity of 2.7 and
the thickness is 0.6 mm. The wire length is 3 m, and each
end is terminated with a 50 Q resistor. The details are
shown in Table 1.

Table 1: Basic parameter of wiring harness

Name Parameter
Single conductor radius | 0.4 mm
Insulation thickness 0.6 mm
Insulation materials PVC

Length 3m
Terminated impedance 50Q

v

Rotation direction

! \
0.4me:T?‘\ 1) J/
@@

G;our/1d

Fig. 7. The cross section and return plane of the seven-
core wiring harness.
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The cross section showed in Fig. 7 is taken as
the reference cross section. The effect of the R and G
parameters is ignored because the termination resistance
value is much larger than the wire resistance. The
inductance L and capacitance C parameter matrices of
the reference cross section are:

614.66 291.26 252.65 248.53 167.52 107.35 91.27
291.26 614.62 167.56 248.51 252.51 91.34 107.24
252.65 167.56 533.68 211.02 116.49 147.85 81.37
L=| 248.53 248.51 211.02 519.03 210.94 144.18 144.06 \nH/m,
167.52 252.51 116.49 210.94 533.51 81.40 147.67
107.35 91.34 147.85 144.18 81.40 378.47 92.35
91.27 107.24 81.37 144.06 147.67 92.35 378.14

17)

64.61 —21.39 -21.00 -15.45 -1.024 -0.67 -0.12

-21.39 64.61 -1.03 -15.45-20.99 -0.12 -0.67

-21.00 -1.03 66.10 -15.41 -0.19 -18.80 -0.51
C=|-15.45 -15.45 -15.41 93.00 -15.41 -15.17 —-15.18 |pF/m -

-1.024 -20.99 -0.19 -15.41 66.082 —0.51 -18.80

-0.67 -0.12 -18.80 -15.17 -0.51 82.01 -15.41

-0.12 -0.67 -0.51 -15.18 —-18.80 —15.41 82.00

(18)
The parameter matrix of different rotation angles is
sampled relative to the reference cross section, and the
sampling rotation direction is shown in Fig. 7. All cross
sections can be obtained by considering the rotation
angle in the range of [0, 60°) and the random exchange
of wires since the model discussed is axisymmetric.
Samples were collected every 10° for a total of 12
groups.

10°

10°

MSE

109

10-10

Fig. 8. Iteration number and MSE.

The relationship between the number of iterations
and the training MSE of BP neural network is shown in
Fig. 8. The training network satisfies the target MSE
(E=10"%) when the number of iterations is 12.

In order to verify the correctness and effectiveness
of the proposed method, a simple crosstalk test platform
is built shown in Fig. 9. The corresponding experimental
schematic diagram is shown in Fig. 10. The whole wiring
harness is placed on the return plane of the same length,
and the width of the return plane is much larger than
the distance of the harness from the return plane. The
material of the return plane is copper. The Agilent
87511A vector network analyzer (VNA) is used as a
measuring device.

The crosstalk comparison results of the seven-core
hand-assembled cable bundles with the twisting degree

ACES JOURNAL, Vol. 35, No. 3, March 2020

S=6 and p=2 are shown in Fig. 11 (a) and Fig. 11 (b),
respectively. The green solid line represents the result
of the new method. The blue solid line stands for the
result of the experiment. The red dashed line is the outer
envelope of the green line. And the black dashed line is
the outer envelope of the result of the probability method
[25]. It can be observed in Fig. 11 that the experimental
results and the method presented in this paper have high
consistency. The experimental results are almost within
the upper envelope of the results of the proposed method,
which means that the proposed method can predict the
“worst case” crosstalk of the harness. By comparison, the
higher the twisting degree, the more concentrated the
crosstalk, and the crosstalk of the low frequency band is
more concentrated than the high frequency band. It can
be understood that the higher the twisting degree of
the wiring harness, the more the crosstalk tends to
“average”, so the more the crosstalk is concentrated. The
more concentrated the curves, the smaller the distance
between the upper and lower envelopes of the predicted
value.

Resistance

Fig. 9. Crosstalk measurement experimental platform.

Return plane

Fig. 10. Schematic diagram of experiment.

In the frequency band of 0.1 MHz - 3 MHz, both the
new method and the probability method can predict the
“worst case” crosstalk of the harness, but the distance
between the lower envelope and upper envelope of the



new method is obviously smaller than that of the
probability method. The accuracy of the new method
is higher than that of the probability method. In the
frequency band of 3 MHz - 40 MHz, the accuracy of the
new method is higher than that of the probability method.
The lower envelope of the probability method at some
frequency points is even larger than the maximum of
the experimental results in Fig. 11 (b). Moreover, the
prediction range of the probability method in the
frequency band of 10 MHz - 25 MHz is too large and has
little practical significance. In the frequency band of
40 MHz-100 MHz, the accuracy of the new method
and the probability method is not as good as that of the
low frequency band, but the trend of the new method is
closer to the experimental results. The trend predicted
by probability method is not consistent with the
experimental results and the range of predicted values is
too large.

In [17], it mainly aims at the frequency band less
than 107 Hz. Compared with [17], the crosstalk frequency
band predicted by the new method is wider.

However, it can be clearly seen that at some points
of high frequency, the lower envelope and the upper
envelope solved by the new method or the probability
method are not completely consistent with the experimental
test results. The possible reason is that the high frequency
characteristics of the components and devices used in the
experiment are not completely ideal.
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Fig. 11. Comparison of seven-core hand-assembled
cable bundles crosstalk solved by different methods: (a)
S =2and (b) f=6.
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V. CONCLUSION

The crosstalk of hand-assembled cable bundles
based on the FDTD method is studied in this paper. The
comparison between experiment and simulation shows
that after 12 iterations, BP neural network can reflect the
mapping of the rotation degree and the p.u.l. RLCG
parameter matrix. The proposed method has better
prediction accuracy than probability method for the
crosstalk of random wiring harness. The crosstalk of
wiring harness is widely distributed in high frequency
band and relatively concentrated in low frequency band.
The higher the twisting degree of the wiring harness, the
more concentrated the crosstalk in the whole frequency
band.
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Abstract — A K-band bandstop filter based on the spoof
surface plasmon polaritons (SPP) and the capacitively
loaded split-ring resonator (RSS) is proposed in this

paper. The capacitively loaded RSS consists of two parts:

the traditional rectangle RSS and a T-type stub placed at

the center of the arm microstrip line of the rectangle RSS.

Thanks to the capacitively loaded RSS, the operating
frequency of the resonator is reduced, which is helpful
for miniaturizing the circuit size. The dispersion feature
of the capacitively loaded RSS is studied by simulation
and the geometrical parameters effects on the filter’s
final performance are discussed. A K-band bandstop
filter with spoof SPP and capacitively loaded RSS is
designed, fabricated and measured to verify the proposed
design methodology. The measured results show that the
bandstop filter works at 21.05 GHz-22.95 GHz with
more than 40 dB insertion loss.

Index Terms — Bandstop filter, capacitively loaded stub,
split-ring resonator, spoof surface plasmon polaritons.

I. INTRODUCTION

The classical surface plasmon polariton (SPP) is a
kind of electromagnetic (EM) wave which transmits
along the metal-air interface in the infrared and visible
frequency [1]. Comparing with the traditional microstrip
line, the classical SPP has less radiation loss since the
EM wave vertical to the metal-air interface attenuates
exponentially. It is considered as a promising structure
for high-frequency EM wave transmission and widely
applied on various optical components design [2-4].
However, the SPP only exists at far-infrared range. In
order to make the SPP work at radio frequency (RF) and
microwave frequency, various planer spoof SPPs, which
have the similar characters of the natural SPP, have been
invented in recent years [5].
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The bandstop filter, also named as notch filter
or reject filter, plays an important role in wireless
communication system for its ability to suppress
harmonic or unwanted wave, reduce mutual coupling
and decrease spurious and leakage transmission [6]. The
traditional planer bandstop filter design methods include
bandstop stubs, defected ground structures, split-ring
resonator, non-resonating nodes filters, extracted pole
techniques and coupled resonator and so on. Traditional
planer bandstop filters have serious dielectric loss at K-
band and even higher-frequency band, resulting large
heating in the dielectric material and EM radiation.

As mentioned above, the planer spoof SPP is a low
dielectric loss structure and can be designed to pass or
stop specified spectrum. The spoof bandstop filter is one
of these applications. There are several reported works
about the spoof SPP bandstop filter [7-15]. The first
reported spoof SPP bandstop filter etched the additional
resonator at the backside of the spoof SPP transmission
line or at the top side of each stubs of the spoof SPP
structure [7]. Soon this work was extended to the tunable
metamaterials [8]. A spoof SPP bandstop filter was
designed by adding the circular resonator with special
holes at the side of the spoof SPP transmission line [9].
Another reported work placed the complementary SRR
unit between two stubs of the spoof SPP transmission
line for better rejection performance [10]. Furthermore,
using the H-shape structures metamaterial particle, the
double-side corrugated spoof SPP transmission line also
showed bandstop features [11]. Ref [12] verified that by
placing a conventional microstrip at the bottom center of
a symmetrically periodically corrugated metallic strip
showed the similar feature of the localized spoof surface
plasmon and can be used to design bandstop filter. The
single SRR unit set between two neighboring stubs of the
spoof SRR transmission line also was can be applied for

1054-4887 © ACES



bandstop filter [13]. Then a spoof SPP bandstop filter
with the three different type folded split-ring resonator
were presented to design dual-band and tri-band bandstop
filter [14]. All these reported spoof SPP bandstop filters
have similar performance and design methodologies,
such as adding special unit between two neighboring
stubs of the spoof SRR transmission line to get the
bandstop unit, which is the fundamental base for the
bandstop filter design, and controlling the bandstop
filter’s performance by just adjusting the parameters of
their bandstop unit.

Inspired by these above-mentioned works, a novel
spoof SPP bandstop filter is proposed in this paper. A
capacitively loaded RSS is set between two neighboring
stubs of the spoof SRR transmission line. Furthermore,
the capacitively loaded RSS and the two neighboring
stubs of the spoof SRR transmission line work together
as a bandstop unit. The capacitively loaded RSS could
reduce the resonating frequency of the bandstop unit and
bringing in extra design freedom to optimize the filter’s
performance.

Il. FILTER DESIGN

The traditional spoof SPP filter is displayed in Fig.
1. It consists of three parts. The first part is the standard
50 Q microstrip line as the input/output port. The third
part is the spoof SPP transmission line which is
composed of the same height vertical stubs and a
horizontal microstrip line connecting these vertical stubs
together. The second part is the mode transfer part which

CHEN, LI, WANG, YANG: A K-BAND SPOOF SURFACE PLASMON POLARITONS BANDSTOP FILTER

transfer the quasi-TEM mode of the microstrip line to the
spoof SPP mode of the spoof SPP transmission line.

The traditional spoof SPP unit has the lowpass
feature and the cut-off frequency is decided by the height
of the stubs. As the stubs become longer, the cut-off
frequency becomes lower and vice versa. If an RSS unit
is placed between the two neighboring stubs of the spoof
SPP transmission line, the new structure performs
bandstop feature. This phenomenon can be explained as
follows. As the traditional strip-line bandstop filter, the
SRR unit is capacitively coupled to the main EM
transmission structure. The main EM transmission line
is the spoof SPP transmission line in the spoof SPP
bandstop filter while it is the microstrip line in the
traditional strip-line bandstop filter. The capacitively
coupling is realized by the physical circuit gap between
the SRR and the main EM transmission line. The SRR
performs as the serial LC circuit and often is realized by
one quarter open stub.

Since the rejected frequency of the whole bandstop
filter is determined by the resonating frequency of the
SRR, the circuit miniaturization can be achieved by
reducing the resonating frequency of the SRR. The T-
type stub is inserted in the center of the horizontal arm
of the SRR structure. It brings in three design freedom.
The SRR, the T-type stubs and the two neighboring stubs
of the spoof SRR transmission line work together to be
as a bandstop filter’s fundamental resonating unit, which
is shown in Fig. 2. The whole bandstop filter is illustrated
in Fig. 3.
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Fig. 1. The schematic of the traditional lowpass spoof SPP filter.

L G

e
G; —~‘

H; I,

| |

e

Fig. 2. Schematic of the proposed spoof SPP bandstop filter resonating unit.
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Fig. 3. The schematic of the proposed spoof SPP based bandstop filter with capacitively loaded RSS.

A. Dispersion analysis

To understand the performance of the whole bandstop
filter, the dispersion of the single bandstop resonating unit
shown in Fig. 2 is analyzed. The initial parameters of this
unit are set as follows. The stub height G is 1.34 mm.
The height L is 1.54 mm. The length of the comb-shaped
unit W, is 1.34 mm. The length W is 2.04 mm. The
length W; is 1.14 mm. The gap G; and G, are both
0.1 mm. The length W, is 0.74 mm. The height H; is
1.29 mm. All the line widths of the bandstop resonating
unit are 0.1 mm. The dielectric coefficient of the substrate
is 2.2 and the height of the substrate is set as 0.508 mm.
Back of the substrate is covered by the annealed copper.

The Floguet method in the CST Microwave Studio®
full-wave electromagnetic simulating platform is used to
study the dispersion of the bandstop resonating unit. The
simulated results are shown in Fig. 4. The fundamental,
second harmonic and third harmonic modes of the
proposed bandstop resonating unit are named as mode 1,
mode 2 and mode 3 in Fig. 4, respectively. The black dot
line is the dispersion of the calculated EM wave in the
vacuum and the black dash line is the fundamental mode
of the traditional spoof SPP unit for comparing purpose.
There is gray frequency gap between the model 1 and
mode 2, which is the bandstop spectrum of the proposed
bandstop resonating unit. It is very safe to predict that the
filter based on the proposed bandstop resonating unit has
a rejection bandwidth between 22 GHz and 23 GHz.
Furthermore, the cut-off frequency of the final filter
based on the bandstop resonating unit is about 27 GHz
since it is determined by the cut-off frequency of the
traditional spoof SPP.
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Fig. 4. Dispersion simulation of the spoof SPP unit.

It is note that the cut-off frequency of the proposed
bandstop resonating unit is much lower than that of the EM
wave in vacuum, which means that this unit behaves slow-
wave feature, which is typical feature of the spoof SPP.

B. Equivalent circuit model

To theoretically understand the resonating frequency,
the equivalent circuit model is built in Fig. 5, where ML
is the microstrip line, CML is the coupling microstrip
line, respectively. The ML1 and CML1 are utilized to
simulate the performance of the coupling effect between
the left-side stub and the left-side rectangle SRR while
the ML2 and CML2 are utilized to simulate the feature
of the coupling effect between the right-side stub and
right-side rectangle SRR. The ML2, ML3 and ML4 are
used to simulate the performance of the T-type stubs.

e

Fig. 5. Equivalent circuit model of the proposed spoof
SPP filter unit.

The characteristic impedance of ML1, ML2, ML3
and ML4 is Z;4, Z,,, Z;5 and Z,, the corresponding
electric length is 6,,, 0,,, 8,5 and 8,,, the even-
mode and odd-mode characteristic impedance of CML1
is z,e and z,, and the corresponding electric length is
0, and 6,,, respectively. The structure of the whole
circuit is centrosymmetric and the parameters of the
ML1 and ML5, CML1 and CML2 are the same. Now the
part | in Fig. 5 is discussed.

The ABCD matrix of ML1 is:

F 2[ - ?OS(QL]_) jZLlsin (Hu):|_ (1)
JSIn (ng)/ZLl COS(HLl)

The ABCD matrix of CML1 is:

Z,,cot(8,.)+Z,, cot(6,,) 22,7, cot(6,,)cot(8,,)
Z,.cot(6,.)Z,cot(6,,) Z . cot(0,.)-Z,cot(6,,)
: 2 Z,,C0t(6,,)+Z,, cot(8,,)

]
Z,.cot(0,)Z,cot(0,) Z,cot(f,)Z, cot(b,)
@

The ABCD matrix of part 1 is:



p2
where Y,,, is the conductance of ML2, ML3 and ML4.
Considering Z,; = Z,, and 6,53 = 6,,, we have:
:i ZLZ +ZL3 COt(gLB)tan(eLZ) . (4)
P2 Z., Z,,c0t(6,,)—Z, tan(d,,)
The ABCD matrix of the whole circuit is:

1 0
FS{Y J, ©

A B

F :{c D} =FF,FRFF: (®)
The resonating condition is:
y=C_o, (6)
A

which can be changed as:

Real(Y)=0 )
Imag(Y)=0

For simplification, we set 6,, = 6,, = 6,. Thereal
part of Y is identical with 0. We just need to make sure
the imaginary part of Y is equal to zero. As a matter of
fact, the numerator of the imaginary part of Y can be
written as:

ta'n(eLS )*((Z pe + Zpo)ZLl Cos(eLl)
+2Z cot(d,)sin(6,,)Y;; =0
where Y;; is a very complicated function of the above-
mentioned parameters and it is impractical to control this
complicated express to reach the resonating condition.

i) If 8,5 is not equal to 0, the resonating condition
is decided as follow:
tan(ﬂ'—gu) _ (Zpe +Zpo)ZLl , (9)
tan(d,) 27,72,
which means that the resonating condition of the
proposed bandstop resonating unit is only related with
the rectangle SRR and the stubs of the spoof SPP.

ii) If 8,5 isequal to 0, the bandstop resonating unit
also can resonate.

It is worthy to note that the proposed equivalent
circuit model is only roughly simulate the real circuit. It
does not mean that the T-type stub is not related with the
performance of the proposed filter. It provides import
information that the stop bandwidth is mainly predicted
by the coupling between the stub from the spoof SPP and
the rectangle SRR. We can design the parameters of the
stubs of the traditional spoof SPP transmission line and
the rectangle SRR and then add the T-type stub for
optimizing the final performance.

(8)

pez po

B. Filter design

As the traditional spoof SPP lowpass filter in Fig. 1,
the proposed spoof SPP bandstop filter is also composed
of three parts: Part I, Part Il and Part 111, which is shown
in Fig. 3. Part I is a 50 Ohm microstrip line as the
input/output port, which transmits the quasi-TEM wave.
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Part Il is the spoof SPP transmission line part which
contains five periodically arranged proposed units and
transmits spoof SPPs wave. This part is the key of the
filter which determines the final feature of the proposed
bandstop filter. Part 1l is a mode conversion part which
transforms the quasi-TEM of the microstrip line to the
spoof SPPs wave of the spoof SPP part. The whole
structure of the proposed filter is centrosymmetric.

The filter is designed on Rogers 5880 substrate
with 2.2 dielectric coefficient and 0.508 mm height. It is
simulated in CST Microwave Studio® and the simulation
results are illustrated in Fig. 5. According to simulated
S,1, a rejection band is inserted in the low-pass band.
Accordingly, the proposed filter has the bandstop feature
as previous dispersion analysis. In the bandstop band,
3 dB rejection points are 21.32 GHz and 22.94 GHz,
respectively. The center frequency of the bandstop band
is 22.13 GHz and 3 dB bandstop bandwidth is 1.62 GHz.
The maximal rejection depth is 46.5 dB.

:“

S, and S, (dB)

/éé

is, =30 dB .
‘ csts
-45 - |

50 J.of Mode 1 =G
[, of Mode 2=

p=—/. of Mode 3
| Reject Banfl in Dispersion|

T T T T T T T T T T T T T 1
18 19 20 21 22 23 24 25 26 27 28 29 30 31 32

Frequency(GHz)

Fig. 5. Simulated S;; and S,; of the proposed filter.
The gray band is bandstop band in dispersion of the
proposed unitand f. is cut-off frequency.

In the first passband, when the frequency increases
from 10 GHz to 20.5 GHz, the insertion loss changes
from 0.16 dB to 0.52 dB. In the second passband, the
maximal insertion loss is 2.5 dB at the depression point
and the minimal insertion loss is 0.9 dB. Moreover, 3 dB
cut-off frequency of the filter is 27.2 GHz and the out-
of-band rejection can reach more than 60 dB.

The gray region in Fig. 5 is the rejection band
predicted by the dispersion analysis, which is in the
rejection band of the final filter. In addition, the high cut-
off frequency of the simulated rejection band is close to
the predicted high cut-off frequency of the dispersion
analysis while the low cut-off frequency of the simulated
rejection band is lower than that of the dispersion results,
which may be caused by the added T-type stub. In mode
1 and mode 3, both the cut-off frequencies are in the
rejection band, which proves correspondence between
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rejection bands of the modes and the filter. In mode 2,
depression point in S,, is near the cut-off frequency of
the mode, which proves that the cut-off effect of mode 2
functions and it degrades S,; of the filter. In summary,
the bandstop band and the cut-off points of dispersion
agree with the filter, which proves effectiveness of the
proposed spoof SPPs unit and filter design approach.

C. Performance of capacitively loaded RSS

One of the main differences of the proposed spoof
SPP bandstop filter is to add a T-type stub into the
rectangle RSS to increase the spurious suppression and
reduce the resonating frequency. As illustrated in Fig. 6,
the spoof SPP filter with capacitively loaded RSS with
T-type stub has lower resonating frequency than the
spoof SPP filter with single SRR. Moreover, the spurious
of the spoof SPP filter with capacitively loaded SRR
with T-type stub has 5 dB lower than the spoof SPP
filter with single RSS in the left side of the rejection band
while the spurious suppressions of the right sideband

ACES JOURNAL, Vol. 35, No. 3, March 2020

keep the same.

24
Freq (GHz)

Fig. 6. The simulated results of the spoof SPP bandstop
filter with/without the T-type stubs.

Fig. 7. The simulated electric fields of the spoof SPP filter: (a) top view of the passband at 19 GHz, (b) side view of
the passbhand at 19 GHz, (c) top view of the stopband at 21 GHz, (d) side view of the stopband at 21 GHz, (e) top view
of the passband at 24 GHz, and (f) side view of the passband at 24 GHz.

Figure 7 displays the simulated electric field of the

spoof SPP filter with capacitively loaded SRR. It can be

seen from the two side view figures at 19 GHz, 21 GHz

and 24 GHz that most the energy is restricted near the
surface of the substrate, which is similar of the natural
SPP material. The energy passes through the proposed



spoof SPP filter with capacitively loaded SRR at the
passband frequency while the energy reflects to the input
port at the stopband frequency. It is proved that the
proposed filter performs bandstop feature.

Il. FILTER MEASUREMENT

To verify the proposed design method, a bandstop
filter based on the proposed spoof SPP transmission line
with capacitively loaded SRR is designed and fabricated
on Rogers RT/duroid® 5880 with dielectric coefficient
of 2.2 and height of 0.508 mm. The photograph of the
fabricated filter is displayed in Fig. 8. The whole size of
the filter is 40 mmx3 mm. The filter is embedded in a
3.0 mm high aluminum box and connects with 2.92 mm
connectors.

Fig. 8. Photograph of the fabricated filter embedded in
an aluminum box.

Measurement results are obtained by the Ceyear®
AV3672C vector network analyzer and illustrated in Fig.
9. The simulation results agree with the measurement
results except the insertion loss and a little frequency
shift to the left side of the designed stopband. As shown
by the measured results, the stopband is from 21.05 GHz
to 22.95 GHz and the stopband bandwidth is 1.90 GHz.
The maximal return loss is 41.8 GHz at 21.8 GHz.

The high insertion loss of the fabricated filter is
mainly caused by the substrate dielectric loss. Although
the dielectric loss of the spoof SPP transmission line is
lower than the microstrip line. However, the length of the
fabricated bandstop filter is quite long for adjustment and
assembly. In order to proof this point, a microstrip line
with the same length of the fabricated bandstop filter
and 50 Ohm characteristic impedance is fabricated and
measured. The results are illustrated in in Fig. 10. The
average insertion losses of simulation and measurement
are 0.33 and 1.78 dB, respectively, which has 1.45 dB
difference. Also, the worst insertion loss is about 2.5 dB
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at 21 GHz, which is near the designed stopband. For
comparison, the measured S, subtracting the loss of
the microstrip line with 50 Ohm impedance is shown in
Fig. 11. It is clear that the transmission loss of the spoof
SPP near the stopband is very low as predicted.

S, and S, (dB)

*7] -CST S, _
-50 T LARRAR: IAARAS RARASRARSS s A AR ARas S S
22 023 24 025 2 27 28 29 30 31 32

Frequency(GHz)

Fig. 9. Measured and simulated S;; and S,; results of
the fabricated filter.

The left and right cutoff frequency of the measured
stopband are lower than the measured ones, respectively.
The frequency shift is about 0.9% of the central
frequency, which is at normal frequency. The difference
is mainly caused by the nonideal effect of the substrate
and the fabrication tolerance.

Simulated S

\ f\/’“ J

Measured S

- /\

§,,and S, /dB

(W1
I
%
| 1l 1 |
1l @\ i I |
-40 | 1
i Slmuléted 811 ” !
45 L | .
18 20 22 24 2 28 30 3z

Frequency/GHz

Fig. 10. Measured and Simulated S;; and S,, of the
50 Ohm microstrip line with the same length of the
fabricated filter.
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Fig. 11. The measured S,; subtracting the loss of the
microstrip line with 50 Ohm impedance.

1V. CONCLUSION

This paper presents a novel spoof SPP bandstop
filter with capacitively loaded SRR. The dispersion mode
is the discussed and the capacitively loaded SRR’s effect
to the filter feature is studied. In both simulation and
measurement, the filter shows a steep and wide rejection
band in an ultra-wide low-pass band, which agree with
dispersion of the proposed bandstop resonating unit. The
fabricated filter has a 1.9 GHz rejection band and 41.8
dB insertion loss at the designed bandwidth. The center
frequency of the rejection band is 22.0 GHz.

ACKNOWLEDGMENT
This work was supported by the National Natural
Science Foundation of China 61601088 and 61571093
and the Fundamental Research Funds for the Central
Universities ZYGX2019J085.

REFERENCES

[1] A. Bostwick, F. Speck, T. Seyller, et al.,
“Observation of plasmarons in quasi-freestanding
doped graphene,” Science, vol. 328, no. 5981, pp.
999-1002, May 2010.

[2] J. O’Hara, R. Averitt, and A. Taylor, “Terahertz
surface plasmon polariton coupling on metallic
gratings,” Opt. Lett., vol. 12, no. 25, pp. 6397-402,
Dec. 2004.

[3] J.B.Pendry, L. M. Moreno, and F. J. Garcia-Vidal,
“Mimicking surface plasmons with structured
surfaces,” Science, vol. 305, no. 5685, pp. 847-848,
Aug. 2004.

[4] J.T.Shen, P.B. Catrysse, and S. Fan, “Mechanism
for designing metallic metamaterials with a high
index of refraction,” Phys. Rev. Lett., vol. 94, no.
19, p. 197401, May 2005.

[5] X. P. Shen and T. J. Cui, “Planar plasmonic
metamaterial on a thin film with nearly zero

ACES JOURNAL, Vol. 35, No. 3, March 2020

thickness,” Appl. Phys. Lett., vol. 102, no. 21, p.
83, May 2013.

[6] A. D. Vala, A. V. Patel, A. Patel, “Design and
analysis of microstrip bandstop filter based on
defected ground structure,” Int. J. of Eng. Res.
Tech., vol. 3, no. 5, pp. 63-66, May 2013.

[71 B. C. Pan, Z. Liao, J. Zhao, et al., “Controlling
rejections of spoof surface plasmon polaritons
using metamaterial particles,” Opt. Lett., vol. 22,
no. 11, pp. 13940-50, 2014.

[8] J. Xu, H. C. Zhang, W. X. Tang, et al,
“Transmission-spectrum-controllable spoof surface
plasmon polaritons using tunable metamaterial
particles,” Phys. Rev. Lett., vol. 108, no. 19, pp.
824-848, May 2016.

[91 B. G. Xiao, S. Kong, and S. H. Xiao, “Spoof
surface plasmon polaritons based notch filter for
ultra-wideband microwave waveguide,” Opt. Comm.,
vol. 374, pp. 13-17, Sep. 2016.

[10] Q. Zhang, C. H. Zhang, Y. Y. Jia, et al., “A series
of compact rejection filters based on the interaction
between spoof SPPs and CSRRs,” Sci. Rep., vol. 6,
p. 28256, June 2016.

[11] Q. Zhangand T. J. Cui, “Rejection filters based on
spoof surface plasmons and complementary meta-
material particles,” In IEEE MTT-S Int. Microw.
Workshop Series on Adv. Materials and Processes
for RF and THz App., pp. 1-3, 2016.

[12] B. Z. Xu, Z. Li, L. L. Liu, et al., “Bandwidth
tunable microstrip band-stop filters based on
localized spoof surface plasmons,” J. Opt. Soc. Am.
B, vol. 33, no. 7, pp. 1388-1391, July 2016.

[13] S. M. Zhao, H. C. Zhang, J. H. Zhao, et al., “An
ultra-compact rejection filter based on spoof
surface plasmon polaritons,” Sci. Rep., vol. 7, no.
1, p. 10576, July 2017.

[14] L. Li, L. Dong, P. Chen, et al., “Multi-band
rejection filters based on spoof surface plasmon
polaritons and folded split-ring resonators,” Int. J.
Microw. Wirel. Tech., vol. 11, no. 8, pp. 774-781,
Aug. 20109.

Peng Chen received the bachelor’s
degree and the Ph.D. degree from
University of Electronic Science
and Technology of China (UESTC),
Chengdu, China, in 2009 and 2015,
respectively. He then became a
Lecturer and an Associate Professor
in the School of Aeronautics and
Astronautics, UESTC, in 2015 and 2019, respectively.
During Nov. 2017 to Nov. 2018, he was a Visiting
Researcher in Tohoku University, Sendai, Japan. He is



a member of Chinese Institution of Electronics and a
member of IEEE.

His research interests include microwave and
wireless communication components design and weak
electromagnetic fields detection.

Luping Li received his bachelor’s
degree from Chengdu University of
Information Technology, Chengdu,
China in 2016 and master’s degree
from the University of Electronic
Science and Technology of China
(UESTC), Chengdu, China in 2019.
Now he is studying his Ph.D. degree

in UESTC.

CHEN, LI, WANG, YANG: A K-BAND SPOOF SURFACE PLASMON POLARITONS BANDSTOP FILTER

His research interests are RF/microwave filters.

Kai Yang received his bachelor’s
degree and master’s degree from
University of Electronic Science
and Technology of China, Chengdu,
P. R. China, in 1993 and 2000,
respecttively, where he then became
the Associate Professor and the
3 Full Professor in 2001 and 2007,
respectively. He is a senior member of Chinese
Institution of Electronics.

His research interests are RF/microwave circuits
and systems, superconducting microwave application.

321



322

ACES JOURNAL, Vol. 35, No. 3 March 2020

Influences of Amplitude Tapering and Feed Blockage on the Radiation
Characteristics of Ku-Band Parabolic Reflector Antennas

Nurdan T. Sonmez ! and Fikret Tokan ?

1 The Scientific and Technological Research Council of Turkey
Gebze, Kocaeli, 41470, Turkey
nurdan.sonmez@tubitak.gov.tr

2 Department of Electronics and Communications Engineering, Yildiz Technical University
Istanbul, 34220, Turkey
ftokan@yildiz.edu.tr

Abstract — In this work, the influences of amplitude
tapering and feed aperture blocking in gain and first
sidelobe level of Ku-band parabolic reflector antennas
are investigated. Two different parabolic antenna
configuration groups are proposed to determine each of
these degradation factors. Designed parabolic reflectors
are fed by pyramidal and conic horns to observe the
blockage effect of feed type on Ku-band satellite reception
applications. In the first examination to designate the
influence of illumination loss due to amplitude tapering
four parabolic reflectors are designed with 8 dB, 10 dB,
15 dB and 20 dB edge taper values on reflector apertures.
Thereafter, thanks to the reflectors designed with the
same edge taper value, but having different diameters, it
became possible to observe, purely the influence of feed
blockage on the radiation characteristics. Both theoretical
and simulated patterns of reflector systems are presented.

Index Terms — Amplitude tapering, conic horn, feed
blockage, illumination loss, parabolic reflector antenna,
pyramidal horn.

I. INTRODUCTION

Compared to other antenna configurations, parabolic
reflector antennas are well-known for their capabilities
to provide highly directive main beam and very low side
lobe level (SLL) along with low fabrication costs [1-2].
During the past decade of space exploration, parabolic
reflector antennas have been very popular with the
increasing demand for high data-rate communications
[3]. Increased data rates improve the communication
channel signal-to-noise ratio. Obviously, enhancement
in the antenna gain results with very high signal-to-noise
ratio of the communication channel. Thus, various
geometries of high gain reflector antennas have been
investigated and developed for satellite applications.
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Paraboidal reflectors illuminated by a feed antenna
placed at their focus are widely used in many satellite
applications [4-5]. However, single reflecting paraboidal
surface limits the design flexibility [6]. An alternative
design to improve the flexibility is employing an
electrically large paraboloidal main reflector illuminated
by a relatively smaller hyperboloidal subreflector [7-8].
In such a double reflector antenna system, locating the
feed antenna near to main reflector enables to place
necessary communications electronics equipment behind
the main reflector. This minimizes antenna system
dimensions and waveguide losses between the feed
antenna and the amplifiers [9].

The main disadvantage of reflector antenna systems
is the blockage losses caused by feed apertures. The feed
blockage is an important issue concerning the antenna
designers occurs when part of the reflected rays impinges
upon the feed structure, depending on the feed physical
dimensions [10-11].

In double reflector antenna systems, sub-reflector
blockage which is characterized by the incidence of
main reflector reflected rays upon the hyperboloidal sub-
reflector also occurs besides the feed blockage. Although
high gain and low SLL are crucial demands in satellite
applications, these blockage mechanisms cause
deleterious effects on gain and SLL of reflector systems
[12-13]. Feed and subreflector blockage problems can
be reduced by decreasing the sub-reflector radiation
towards the feed and main-reflector radiation towards
the subreflector. Axially displaced dual reflector antenna
configurations are increasingly used with this aim. [14-
16].

Illumination loss due to non-uniform amplitude
distribution on the aperture plane of a reflector antenna
is another considerable issue in reflector antenna system
designs. Illumination loss also has deteriorating effects
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on single or double reflector antenna system radiations
[17-18].

In this work, the influences of illumination loss and
feed blockage on the radiation characteristics, namely
gain and first SLL of single paraboloidal reflector
antennas designed for Ku-band satellite applications
are investigated [19]. As the first step to determine the
illumination loss effects, designed parabolic reflector
antennas are fed by pyramidal and conic horns operating
at 10.7-14.5 GHz (Ku-band) frequency band. These
parabolic reflectors having the same diameter are
constituted considering 8 dB, 10 dB, 15 dB and 20 dB
amplitude taper distribution on the reflector apertures.
Gain and first SLL values regarding each design are
analyzed and obtained first SLL values are compared
with the theoretical results.

Then, in order to investigate feed blockage effects
on the reflector radiation, similarly four different
parabolic reflector antennas are designed. This time,
these reflectors have different diameters but the same
focal length to diameter ratio, f/D value. In these designs
each reflector has the same edge taper value on their
aperture planes. In this way, spillover losses which are
associated with the power misses the reflector will be at
the same level at each design. These latter designs enable
to explore purely the feed blockage effects.

Designed parabolic reflectors fed by Ku-band
pyramidal and conic horns are analyzed to observe
the blockage effect of feed type on satellite reception
applications. The simulations are performed by the
Computer Simulation Technology (CST) software using
the adaptive mesh refinement to obtain better accuracy
with fewer unknowns [20].

I1. PYRAMIDAL AND CONIC FEED HORN
DESIGNS

Four different parabolic reflector antennas are
designed for observing each of loss effects on the
radiation. Since horn antennas are widely used in high-
gain applications such as satellite communications, [21]
constituted parabolic reflectors are fed by two different
types of Ku-band horn antennas; a pyramidal horn and a
conic horn to observe the blockage effect of feed type
on satellite applications. Designed pyramidal and conic
horns are shown in Fig. 1 with their physical dimensions.

Phase center at 10.7 GHz
Phase center at 14.5 GHz

44 mm
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Phase center at 11.7 GHz

Phase center at 14.5 GHz

150 mm

(©) (d)

Fig. 1. Feed horn antennas: (a) pyramidal horn side view,
(b) pyramidal horn back view, (c) conic horn side view,
and (d) conic horn back view.

In general, the phase center positions of wideband
antennas move with the change of frequency.
Nevertheless, this movement is considerably low in horn
antennas [22]. This characteristic enables horn antennas
suitable for wideband satellite applications. Indeed, in
the whole operating band, the phase centers of both
designed feeds exhibit almost a stable behavior as signed
in Fig. 1. The phase center locations given in Fig. 1 are
determined from radiation pattern simulation results of
feed horns considering where the phases of feed antenna
beams are nearly constant within the related beam-width.
Good matching is achieved at Ku-band with both designed
feed horns as given in Fig. 2. It can be seen in Fig. 2 that
Sy variations of feeds are almost lower than
-15 dB in both receive (10.7-12.7 GHz) and transmit
(12.7-14.5 GHz) satellite communication bands.

= Conic feed horn
= =« pyramidal feed horn
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Fig. 2. Reflection coefficient variation of the feed horns
with frequency. Si1 variation of the feed is almost lower
than -15 dB in the Ku-band.

Figure 3 exhibits the Co-pol and cross-pol gain
patterns of feed horns at 11.7 GHz. Cross-pol isolation
of both feed antennas are higher than 50 dB at 11.7 GHz
receiving frequency. Due to the almost symmetrical gain
patterns in elevation and azimuth planes, only elevation
patterns are exhibited. More than 20 dBi gain is obtained
by the conic feed horn at 11.7 GHz where the gain of
pyramidal horn is 15.2 dBi at the same frequency. The
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gain of conic horn is higher than pyramidal horn since
electrical length of conic feed is higher than the
pyramidal feed as given in Fig. 1.
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Fig. 3. Co-pol and X-pol gain patterns of feed antennas
at 11.7 GHz: (a) pyramidal horn and (b) conic horn.

I1l. EFFECTS OF AMPLITUDE TAPERING

In this section, the influence of amplitude tapering
on gain and first SLL of a parabolic reflector antenna is
studied. Kirchoff’s scalar formulation is used to obtain
the influence of amplitude tapering theoretically on the
aperture plane. Then, four parabolic reflector antennas
designed considering 8 dB, 10 dB, 15 dB and 20 dB edge
taper values on the reflector aperture are fed by Ku-band
pyramidal and conic horns. The effective aperture of
designed conic feed horn is larger than the pyramidal
horn. Thus, the blockage effects of feed type on satellite
reception applications are analyzed.

A. Theoretical analysis of amplitude tapering effects

For aperture antennas the source of radiation is
the electric-field distribution across the aperture. The
electric field of the energy over the reflector aperture is
called the electric-field aperture distribution, E,(p,¢).

In Fig. 4, it can be described in terms of an imaginary
aperture representing the electric field distribution across
a plane in front of the reflector. On the aperture
plane, the amplitude of electric field only depends on
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the distance from the reflector aperture center. Thus,
electric-field aperture distribution can be described as

E.(0).

Kirchoff’s scalar formulation can be used for
evaluating the electromagnetic radiation by the aperture
plane for large aperture antennas; namely the reflector
aperture should be at least several wavelengths along
both its principle planes [22].

The aperture plane in Figure 4 is illuminated by the
electric field distribution of E,(p). Q is defined as the
observation point on the observation plane. Considering
the Kirchhoff’s scalar diffraction theory, the phasor of
radiated electric field from the reflector aperture can be
given as:

Er.o.9) =2

r

) h(6.4) . 1)
where
h(0.9) = [[E.(p.g) "= ds . (2)

When the differencial surface area of the aperture is
defined as ds=pdpdg in cylindrical coordinate

system. The form factor h(d,¢) of E(r,6,¢) can be
defined as follows:

h(0.9) = [E(p)x pL [ "D dgdp.  (3)

X

ds=pdpdy X

Aperture
illumination

z

'

¥y

Aperture plane .
v Observation plane

Fig. 4. Radiation by the aperture of a parabolic reflector
antenna. Note that standard variables refer to the aperture
plane and primed ones denote the observation plane.

The power density of the radiated wave is defined as
S(r,0,¢) = |ﬁ(9, ¢)|2 I 21,A%r* . Thus, the radiation pattern

of a reflector antenna can be obtained using the square of
form factor’s amplitude given in (3).

In this work since the diameter of designed
parabolic reflector is 45 4 at 11.7 GHz frequency, the
following amplitude tapering function for the electric
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field distribution on the aperture plane is used:

E, () =cos" (2 ). @)

Here, n determines the amplitude tapering distribution
type on the reflector aperture. The value n=1 gives an
edge taper of 10 dB and n=0.8,1.5 and 2 corresponds

to 8 dB, 15 dB and 20 dB edge taper values, respectively.
When n=1, for p=0 the electric field strength reaches

its maximum value of 0 dB and this value decreases to
-10 dB for p=454.

The normalized radiation patterns obtained
theoretically using Kirchhoff’s scalar formulation in
the elevation plane are exhibited in Fig. 5. It should
be noted that feed blockage effect is not considered in
the radiation patterns. It can be seen in Fig. 5 that the
highest first SLL is experienced for the 8 dB edge taper
illumination and this value decreases with the increase in
the edge taper distributions. Eventually, the first SLL is
-31.5 dB for 8 dB edge taper and decreases to -40.6 dB
for 20 dB edge taper values on the aperture plane. Thus,
the greater amplitude taper on the surface of a parabolic
reflector produces lower first side lobes than a more
uniform amplitude distribution and consequently reducing
the edge taper increases the first SLL. Moreover, it is
clear from Fig. 5 that increment in the edge taper results
with the 3-dB beamwidth enlargement. Thus, it can
be concluded that when the edge taper increases on
the reflector aperture the gain of the reflector system
decreases.

7x10

Normallzed Radlation Pattern

— 8 dB edge taper

[[| === 10dB edge taper

15 dB edge taper

====20dB edge taper
T

180 -179 -178
Theta (degree)

Fig. 5. Evaluated first SLL values as the function of feed
tapers using Kirchhoff’s scalar formulation.

B. Amplitude tapering effects of feed horn types

This sub-section explains the effects of illumination
loss on the radiation characteristics of a parabolic
reflector antenna when it is fed by different types of
horn antennas. Four different parabolic reflectors fed by
pyramidal and conic horns are designed with this aim.
All designs have the same diameter since the gain of
a reflector system is directly proportional with its

collecting effective area. The phase center location of the
feed horns at 11.7 GHz frequency are coincided with the
reflector focus.

The reflectors illuminated by pyramidal feed
considering -8 dB, -10 dB, -15 dB and -20 dB amplitude
taper distributions on the reflector apertures results
with 1.13, 1.04, 0.87 and 0.74, f/D values, respectively.
Designed parabolic reflector antennas fed by the
pyramidal horn are exhibited in Fig. 6. These values are
evaluated regarding the half-subtended angle of the
reflector, wo which is related with /D by:

1
=2tan”! —. 5
Yo 4/D ©)
- aA'
f - N f_ Lot . * - A
=113 - D - .
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- : . .
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Fig. 6. Pyramidal horn fed parabolic reflector antennas
designed with edge taper values of: (a) 8 dB, (b) 10 dB,
(c) 15 dB, and (d) 20 dB.

-
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f -
5—1,67 ”

(b)

-
-

-k

Fig. 7. Conic horn fed parabolic reflector antennas
designed with taper values of: (a) 8 dB, (b) 10 dB, (c)
15 dB, and (d) 20 dB.

Four more parabolic reflectors having the same
diameter value with the reflectors given in Fig. 6 are
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designed. Designed parabolic reflectors are fed by the
conic horn to observe the blockage effect of feed type
on Ku-band satellite reception applications. f/D values
of 1.89, 1.67, 1.28 and 1.17 are evaluated considering
-8 dB, -10 dB, -15 dB and -20 dB amplitude taper
distributions on the reflector apertures, respectively. The
parabolic reflector antennas fed by conic horn are
highlighted in Fig. 7.

The first SLLs of simulated radiation patterns in the
elevation plane regarding to pyramidal and conic horn
fed reflector antenna systems are highlighted in Fig. 8 (a)
and (b).
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The first SLLs obtained when the reflector antennas
are fed by conic horns are given in Fig. 8 (b). Quite
higher first SLLs are occurred compared with the levels
obtained by pyramidal horn fed reflector antenna.

It is clear from Fig. 8 (a) that small ripples are
appeared in the radiation patterns due to the pyramidal
feed aperture blocking. Nevertheless, these ripples are
small to be considered as SLLs. As it can be seen in Fig.
8 (b), the ripples at the same theta direction are deeper
when the blockage is occurred by the conic feed horn. It
can be seen in Fig. 1 that the blocking aperture of conic
horn is approximately 9 times larger than the pyramidal
horn blocking aperture. Thus, the deeper ripples in
Fig. 8 (b) can be explained with the higher blockage of
radiation by the conic feed horn.

The influence of illumination loss on gain of
pyramidal and conic horn fed designed reflector
antennas are summarized in Table 1. While the gain
is 41.2 dBi for 8 dB edge taper of pyramidal horn fed
reflector antennas, it reduces to 38.1 dBi for 20 dB edge
taper on the reflector surface. Similar comments can also
be made for conic horn fed reflector designs. The highest
gain is achieved with the 8 dB edge taper on the reflector
surface and this value decreases to 40.25 dBi with the
influence of illumination losses. Thus, it can be said from
Table 1 that an increase in edge taper results with the
decrease in gain. These gain values obtained by the
simulation results are compatible with the theoretically
obtained normalized radiation patterns given in Fig. 5
where the edge taper results with the 3 dB beam-with
enlargement.

— 8 dB edge taper
50{==-10d8 :Eg: :EE: rrrrrrrrrrrrrrrrrrr Table 1: Gain variations with the edge taper of pyramidal
“ ; and conic horn fed reflector antennas
-180 -178 Thel;tsggree) _ _ 8 dB 10dB 15dB 20 dB
(b) Gain (dBi) | Edge Edge Edge Edge
Taper | Taper | Taper | Taper
Fig. 8. The first SLLs as the function of feed tapers for: Pyramidal | 4,5 | 4015 | 394 | 381
(a) pyramidal feed horn and (b) conic feed horn. horn
Conic 419 | 4165 | 412 | 4025
It can be seen in Fig. 8 (a) that the highest first SLL horn

is experienced for the 8 dB edge taper illumination of
reflector aperture when it is fed by the pyramidal horn.
The first SLL is decreasing with the increase in the edge
taper distribution. Eventually, the first SLL is -30.4 dB
for 8 dB edge taper and decreases to -37.8 dB for 20 dB
edge taper distribution. Thus, the greater amplitude
taper on the surface of a parabolic reflector produces
lower first side lobes than a more uniform amplitude
distribution and consequently reducing the edge taper
increases the first SLL.

When these first SLLs are compared with the
theoretical results, it can be said that first SLLs are
slightly increased due to the pyramidal feed aperture
blocking.

Considering the results presented in Fig. 5, Fig. 8
and Table 1, it can be said that increase of edge taper
results with a decrease in the first SLL and in gain.
Finally, it can be concluded that the decrease in gain and
the increase in the first side-lobe level in a parabolic
reflector antenna are highly dependent on the nature of
the aperture-distribution function.

IV. EFFECTS OF FEED BLOCKAGE

In this section to dissipate the illumination loss
effects on the radiation and so that to specify purely the
influence of feed blockage, four different parabolic
antennas having the same edge taper value of 20 dB are



designed. These reflector configurations are fed by
the pyramidal and conic horns as given in Fig. 9. All
parabolic reflector antennas given in Fig. 9 (a) have the
f/D value of 0.74 and edge taper value of 20 dB on their
aperture. Similarly, conic horn fed reflector antennas
given in Fig. 9 (b) are also designed considering 1.17 f/D
value results width 20 dB edge taper on the reflector
aperture. Pyramidal horn feed will cast a rectangular and
conic horn will cast a circular shadow on the parabolic
reflectors as given in Figs. 9 (c) and (d), respectively.
The focal length and diameter values of each reflector
antenna given in Fig. 9 are summarized in Table 2.
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Fig. 9. Parabolic reflector antennas designed with 20 dB
edge taper value fed by: (a) pyramidal horn side view,
(b) conic horn side view, (c) pyramidal horn back view,
and (d) conic horn back view.
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Table 2: Focal length and diameter values of the reflector
antenna designs given in Fig. 9

Ar':{eeer?na fi,Dy | f2,Dy | f3,D3 | f4,D4
Pyramidal 702, 802, 902, 1002,
Horn 948 1083 1219 1354
Conic 1226, 1326, 1426, 1526,
Horn 1047 1113 1219 1304

In reflector applications phase error, illumination,
spillover and feed blockage losses have deteriorating
effects on the antenna radiation characteristics. Since
the feed blockage effects are investigated at 11.7 GHz
frequency throughout this work, the phase error loss that
occurs due to the phase center displacement will not
exist. Thanks to the reflector configurations designed
with the same edge taper thus with the same f/D value as
given in Fig. 9, the illumination loss will be at the same
level in each reflector configuration. The spillover losses
concerning each configuration will also be same since
the half-subtended angles, y, of pyramidal and conic

horns are equal for each parabolic reflector groups as
given in Figs. 9 (a) and (b).

The first side lobe levels of radiation patterns
regarding to the designed reflector configurations are
highlighted in Figs. 10 (a) and (b). As explained in
Section 111, the first SLL of a reflector antenna is strictly
related with the edge taper values on the reflector
aperture. Thus, as expected first SLLs given in Figs. 10
(a) and (b) have very close values to each other since the
edge tapers equal to 20 dB in all reflector apertures. The
first SLLs obtained when the reflectors are fed by conic
horns given in Fig. 10 (b) are slightly higher. This can be
explained with the larger feed blockage aperture of conic
feed horn as mentioned in Section I11.

In case, the reflector antennas having different
diameters are fed by the pyramid horn given in Fig. 9 (a),
35.4 dBi gain is obtained by the smallest reflector
(D1=948 mm). This value increases with the enlargement
of the reflector effective areas. The gain values of
reflector antennas occur as 36.3 dBi, 38.1 dBi and 38.9
dBi for the reflectors with the diameters of D,=1083 mm,
D3=1219 mm and D4=1354 mm, respectively.

Similar comments can be made for the gain values
of reflectors fed by conic horn as given in Fig. 9 (b). The
lowest gain value of 36.6 dBi is obtained by the smallest
reflector antenna (D,=1047 mm) and this value increases
with the enlargement of reflector effective areas to 37.9
dBi for D,=1113 mm, to 40.25 dBi for D3=1219 mm and
finally to 42.1 dBi for the largest reflector antenna,
D4s=1304 mm.

The increment of the gain with the enlargement of
the reflector surfaces can be explained with the blockage
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amount of the reflected energy by the feed horns. In Fig.
9 (), it is shown that the pyramidal horn aperture blocks
some of the reflected energy from the reflector antennas.
The radiation of pyramidal horn with the subtended angle

of y, =2 is blocked by the smallest reflector and this

angle decrease to y, =1.3" for the largest reflector. It is

clear from Fig. 9 (a) that the enlargement of the reflector
surfaces results with smaller y angles consequently,

decrease in the blocked energy amount of the feed horn.
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Fig. 10. The first SLL values of various size parabolic
reflector antennas fed by: (a) pyramidal horn and (b)
conic horn.

When the reflector antennas fed by conic horns
given in Fig. 9 (b) are investigated, it can be said that the
blocked amount of reflected energy will decrease again
with the enlargement of reflector surfaces. Here, v,

value of the blocked energy of the feed horn is 3.5
degree for the smallest reflector and it decreases to

v, =2.8" for the largest one.

The normalized gain pattern of pyramidal feed horn
is given in Fig. 11 (a) to emphasize the 3-dB beam-width
of the feed and blocked reflected radiation amount.
Similarly, Fig. 11 (b) shows the normalized gain pattern
of the conic horn for the 3 dB beam-width and the
blocked energy amounts by the feed aperture. According
to Fig. 11 (a) the aperture of the pyramidal horn blocks
approximately 0.15 dB beam-with of its radiation for the
largest reflector surface and this value decreases to 0.1
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dB beam-with of its radiation for the smallest reflector
antenna. When Fig. 11 (b) is investigated it can be said
that due to the larger aperture of conic horn feed, the
blocked energy will be higher in these reflector designs.
Approximately, 0.4 dB beam-with of conic horn’s
radiation is blocked with the smallest reflector
illumination. This value decreases to 0.6 dB beam-with
for the largest reflector illumination.

The higher blockage amount of radiation by the
conic feed horn aperture as given in Fig. 11 explains the
higher decreases in the gain values of conic horn fed
reflector antennas.
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Fig. 11. Normalized gain patterns given within 3-dB
beam-widths of the radiation of: (a) pyramidal horn and
(b) conic horn. The blocked energy amounts are also
marked in the gain patterns.

Thus, it can be concluded that the degradation
effects due to the feed blockage on the antenna gain
dramatically decrease with the enlargement of the feed
antenna aperture.

V. CONCLUSION

High gain and low SLL are crucial demands to
provide high signal to noise ratio for satellite
applications. The amplitude tapering and feed blockage
are considered to have deteriorating effects on reflector
antenna radiation patterns. We introduced influences of
amplitude taper and feed blockage on the radiation
characteristics of Ku-band parabolic reflector antennas
by presenting theoretical and simulation results regarding
to gain and first SLL.

The role of edge taper in parabolic antennas is
studied utilizing four reflectors having the same diameter
value, however different edge tapers on their aperture.
Designed parabolic reflectors are fed by pyramidal and
conic horns to observe the blockage effect of feed type
on Ku-band satellite reception applications. It can be
concluded that the increase in the first side-lobe level in
a parabolic reflector antenna are highly dependent on the



nature of the aperture-distribution function. In fact, the
first SLL also increases with a larger aperture blocking.

In order to detect purely the role of feed blockage on
the gain similarly, four reflectors are designed. These
designed reflectors have the same half subtended angle
are fed by pyramidal and conic horns. It is proved that
the degradation effects due to the feed blockage on the
antenna gain dramatically decrease with the enlargement
of the feed antenna aperture.

As a result, to avoid the degradation effects of feed
blockage and obtaining higher gain and lower first SLL,
greater uniformity of radiation field distribution should
be maintained. This can be achieved utilizing electrically
larger reflector antennas. However, enlarging the
reflector surface results with increase in waveguide
losses between the feed antenna and the amplifiers.
Designing a planar feed antenna will allow to minimize
feed blockage effects but this time, the phase center
movement of a planar high gain feed antenna will lead to
high level of phase error losses.
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Abstract — A wideband low profile multi-polarization
reconfigurable antenna with quasi-cross-shaped coupling
slot is proposed. The antenna consists of an upper oval
radiating patch, the quasi-cross-shaped coupling slot,
fork-shaped folded feed lines and a reconfigurable
Wilkinson power divider network with four pairs of p-i-
n diodes. The antenna reconfigurable polarization modes
change among +45° Linear polarization (LP), dual-LP,
left-hand circular polarization (LHCP) and right-hand
circular polarization (RHCP) by controlling the ON/OFF
states of the p-i-n diodes. The designed prototype has
been fabricated and measured. Good agreement between
the measured and simulated results is achieved. Measured
results show that the antenna has wide impedance
bandwidth (over 21.35% for LP and 17.70% for CP) and
axial ratio (AR) bandwidth (16.13% for LHCP and
16.88% for RHCP). The average realized gains are
about 7.6 dBi for different polarization modes. The
proposed antenna has the advantages of multi-polarization
reconfigurable ability, wide bandwidth, low profile, and
high gains, which make it possible to be applied to
wireless communication systems.

Index Terms — Low profile, polarization reconfigurable
antenna, slot antenna, wideband.

I. INTRODUCTION
Operating characteristics of antennas affect directly
the performances of wireless communication systems.
With the development of technology, wireless
communication systems have been applied to different
requirements of wireless services, which causes the
limited electromagnetic spectrum resources becoming

Submitted On: September 10, 2019
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more and more crowded [1-4]. So, multiple wireless
systems are required to be integrated into a single
platform for maximum link-up. Therefore, a new
generation of antennas that can be adjusted automatically
according to environment changes is required.

Reconfigurable antennas not only reduce the size,
weight and cost, but also enable the antenna to work in
multiple frequency bands and have multiple modes of
operation [5-7]. Polarized reconfigurable antennas are
the focus of researches on reconfigurable antennas. They
can improve the spatial freedom in limited space,
which greatly improve the transmission rate and system
capacity [8-10]. There are several types of polarizations
used in antenna applications: vertical polarization (VP),
horizontal polarization (HP), +45° oblique polarization,
[10,11], LHCP and RHCP [12-15]. The first four
polarization belongs to LP. Compared with the traditional
antennas, the polarization reconfigurable antennas have
unparalleled advantages in frequency multiplexing and
improving the performance of the polarization control
system.

Nowadays, there are mainly two methods to realize
electrically controlled polarization reconfiguration: One
is to alter feeding network, and the other is to introduce
reconfigurability on the radiating elements. The former
one achieves the reconfiguration by loading variable
reactance to the feeding network or switching the feeding
position to generate the phase difference between different
operating modes [10, 16, 17]. The latter one is to etch the
gap on the proper position of the radiator, which uses RF
switches to change the antenna current flow path and
generate the phase difference [18-21]. However, most
of the proposed antennas have a narrow bandwidth
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especially for the LP and CP polarized reconfigurable
antennas. The appearance of the narrow bandwidth is
due to two orthogonal LP radiations with same amplitude
produce CP mode, while the input impedances between
the two LP and CP are different, which will cause the
impedance mismatch for LP and CP. Furthermore, it is
much harder to overlap the impedance bandwidth and 3-
dB AR bandwidth in the broadband range.

In this paper, a novel wideband low profile multi-
polarization reconfigurable slot antenna with high
realized gains is proposed. The antenna is composed of
an upper oval radiating patch, the quasi-cross-shaped
coupling slot, fork-shaped folded feed lines and a
reconfigurable Wilkinson power divider network with
four pairs of p-i-n diodes, which are introduced to change
the current flow path to realize the reconfigurable among
+45° oblique LP, dual-LP (VP and HP), LHCP and
RHCP. The impedance bandwidth and 3-dB axial-ratio
bandwidth are almost overlapped for CP. Also, the
average realized gain of the proposed antenna is higher
than most of the other reported antennas.

Rogers RT5880(bxb)

Layer2:feed line2 ) i ht
Layer3:ground > hi
Layer4:feed linel h1
Layer5:power divider

Fig. 1. Structure of the proposed multi-polarization
reconfigurable antenna. (a) 3D, (b) Quasi-cross-shaped
coupling slot with fork-shaped folded feed lines, and (c)
Reconfigurable Wilkinson power divider network.

I1. ANTENNA STRUCTURE AND
OPERATING PRINCIPLE
The proposed antenna has a multi-layer structure,
which consists of four substrates stacked together by
nylon screws, and the plastic washers act as a support
between the first two layers of substrates as shown in
Fig. 1(a). All the substrates are the 0.508-mm thick
Rogers RT5880 with a relative permittivity of 2.2 and a
loss tangent of 0.0009. The dimensions of the proposed
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antenna are listed in Table 1.

Table 1: Parameters of the proposed antenna

Parameter | Value (mm) | Parameter | Value (mm)
a 140 fl4 7.5
b 80 wl 2

hl 0.508 11 19.8
h2 8 g 4
rpa 21 dwl 3.2
rpb 20 dw?2 1.8
fwl 1.58 dw3 5
fw2 0.9 dfl 4
fw3 12.65 df2_1 10.2
fw4 1.25 df2_2 12.6
fl1 4 df3 6.4
fl2 7.5 df4 36
fl3 24.5 wg 0.9

A. Slot antenna

The design of the quasi-cross-shaped coupling slot
antenna is based on the antenna proposed in [22]. As
shown in Fig. 1 (b), the quasi-cross-shaped coupling slot
is etched on the ground which consists of four separated
rectangular slots arranged by rotating 90° in turn. The
space between two parallel slots reduces the impurity of
two linear polarizations and the coupling between two
orthogonal polarizations in the center effectively. The
fork-shaped folded feed lines are placed on the upper
layer and lower layer of the ground plane which avoid
the unwanted couplings among the feed line to feed
line and feed lines to slots. The purity of two linear
polarizations can be improved with the quasi-cross-
shaped coupling slot and fork-shaped folded feed lines
which provides great help for generating wideband
circular polarization. Moreover, the antenna gain is
higher than normal slot antennas due to the surface
current intensity distributed in the middle and edges of
the feed lines is in the same direction which increases the
far-field radiation. Besides, the upper oval patch and air
gap make a great contribution to the antenna bandwidth,
gain and directivity.

B. Reconfigurable Wilkinson power divider network

The structure diagram of Wilkinson power divider
with two output ports is shown in Fig. 2. Zy is the
characteristic impedance of the input port, R, and Rs are
the load impedance. Assuming the ratio of output power
is 1/k?, then:

1,11 €
Zin2 Zin3 Z0
P u? us
b PR, PR, Ve @
2 2 3

According to A/4 impedance transformation theory,
there are:



2
Zing xRy =2y, 3)
2
ZingxRg=Zg3. (4)
Zin2 Zyy Uy Ro
I <— Output 2
ZO
Input 1— A/4 <R
D
L, ] «— Output 3
Zin3 Zos +U; Rs

Fig. 2. The structure diagram of Wilkinson power divider
with two output ports.

Suppose R = kZy, then,

P 1+k?
y4
Ry==2. 6
;=2 ©

The resistance of the isolation resistor R can be
expressed as:

R=Zo(k+%). (7)

When k=1, ports 2 and 3 output the same power

signal, Zy, =Zg3 =\/§ZO, and the resistance of the

isolation resistor is R=2Z,. In order to reduce the size of
the Wilkinson power divider, a Wilkinson power divider
network with two A/4 transmission lines is designed
for realizing the polarization reconfiguration, and the
schematic is shown in Fig. 1 (c). The network provides
phase shifts on different branches by etching separated
microstrip lines of different lengths. The microstrip line
2 and line 3 with the same size are located in the middle
of the four branches, while the outside microstrip line 1
and line 4 are about A/4 longer than the inside ones, A is
the guided wavelength at the resonant frequency. The
two output ports of the Wilkinson power divider network
are connected to the upper feed lines through the vias.
Since the upper feed lines are placed on the different
layers of the ground plane and the distances to output
ports are different, the power divider asymmetric which
means the microstrip line 1 is longer than the line 4. Four
pairs of p-i-n diodes (Al and A2; B1 and B2; C1 and
C2; D1 and D2) are placed in four different branches
respectively to connect the branches with the output
ports. By controlling the diodes on and off, different
branches can be chosen to generate the phase difference
of 0° or £90°. When diode groups A and C are switched
on and others are off, the microstrip line 1 generates a
90° phase delay than the line 3, then the RHCP can be
achieved. Similarly, diode groups B and D switched on
and others off, the LHCP can be generated. LP can be
achieved when just one pair of p-i-n switch on, but only
when the diode group A or D switch on could result in a
better impedance match. In addition, the £45° orthogonal

XU, LIU, LIU, KONG, HUANG, BIAN, YU, QIN: MULTI-POLARIZATION RECONFIGURABLE ANTENNA

dual-LP with high isolation and purity can be generated
when diode groups B and C switched on and others off.
The corresponding relationship between the diode states
and the antenna polarization modes are shown in Table
2. It should be noted that the LP directions are +45°
which is the angle with the positive x-axis.

Fig. 3. Photograph of the fabricated antenna.

Table 2: The corresponding relation between diode state
and antenna polarization mode

N Diode State
Polarization o on o1 o
Mode A B c D
State 1: +45° LP ON OFF | OFF | OFF
State 2: -45° LP OFF | OFF | OFF ON
State 3: dual-LP OFF ON ON OFF
State 4: LHCP OFF ON OFF ON
State 5: RHCP ON OFF ON OFF

I1l. RESULTS AND DISCUSSION

The designed prototype has been fabricated and
measured. The simulated and measured results are
presented. Figure 3 shows the photograph of the fabricated
antenna. The 8 mm M3 nylon bolts are used to support
the first layer of the substrate. The simulated results are
obtained by CST2017. In the simulation process, the
waveguide port was used for feeding, the boundary
conditions use open (add space) in all directions, and the
time domain solver was applied. The p-i-n diode
SMP1345-79 [23] is chosen to connect the different
branches of the Wilkinson power divider network. Based
on the diode datasheet, the diode is modelled as a 2 Q
resistor for the ON-state and a parallel circuit of a 0.15
pF capacitor and 8000 Q resistor for the OFF-state. All
measurements were performed in a microwave anechoic
chamber.

The measured and simulated reflection coefficients
for all the modes are shown in Fig. 4. It is observed that
the measured 10-dB impedance bandwidths covered
wide frequency bands from 2.76 to 3.51 GHz (0.75 GHz,
23.92%) for +45° LP, 2.66 to 3.40 GHz (0.74 GHz,
24.42%) for -45° LP, 2.72 to 3.37 GHz (0.65 GHz,
21.35%) for dual-LP, 2.78 to 3.32 GHz (0.54 GHz,
17.70%) for LHCP and 2.86 to 3.52 GHz (0.66 GHz,
20.69%) for RHCP. The external bias circuit for p-i-n
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diodes caused the differences between measured and
simulated results. Furthermore, the loading changed
since the actual value of the equivalent circuit of the
p-i-n diodes may differ from the labeled value. The
fabrication and measurement tolerance also affected the
results.
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Fig. 4. Measured and simulated reflection coefficients
for all modes: (a) £45° LP, (b) Dual-LP, and (c) CP.

Figure 5 shows the measured and simulated realized
gains of the antenna for LP modes and Fig. 6 presents the
realized gains and axial ratios for CP modes which
indicates great agreements. It can be seen that the antenna
realized gains are quite stable along the operating
bandwidth, while the measured peak gains are 8.45 dBi
for LP and 8.36 dBi for CP, and the average gains are
7.63 dBi for LP and 7.61 dBi for CP over impedance
bandwidth. The measured 3-dB AR bandwidths are 2.85
to 3.35 GHz (0.48 GHz, 16.13%) for LHCP and 2.82 to
3.34 GHz (0.48 GHz, 16.88%) for RHCP, which are
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wider than most of the proposed polarized reconfigurable
antennas.
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Fig. 5. Measured and simulated realized gains for LP
modes.
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Fig. 6. Measured and simulated realized gains and axial
ratios for CP modes: (a) LHCP and (b) RHCP.
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The measured and simulated normalized radiation
patterns for LP and CP modes at 2.8, 3.0 and 3.3 GHz
are shown in Figs. 7-9. It is observed from Fig. 7 and
Fig. 8 that the patterns of the two orthogonal cut-planes
(@=+45° plane and p=-45° plane) are compared for +45°
LP and -45° LP. CP patterns are shown in Fig. 8. The
measured cross-polarization levels for all modes are
almost below -15 dB. A larger back lobe and unexpected
side lobes are found in the measured radiation patterns
which are caused by the test environment and affected
by the p-i-n diodes with the bias circuit and external DC
power device.
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GHz.

Finally, Table 3 gives the comparisons among
reported polarization reconfigurable antennas and the
proposed antenna. It can be concluded that the proposed
polarization reconfigurable antenna realized wide
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impedance bandwidth, AR bandwidth, high realized
gains and low profile with five polarization modes.

Table 3: Comparison with
reconfigurable antennas

reported polarization

0 Polarization IMBW | ARBW Heiaht
States (%) (%) 9
LP 14.2 - ]
[ | Hep/rAce 26.4 135 | 0:60%
LHCP 37.8 )
[°] RHCP 80 269 |03%
LP 27.2 - ]
(141} | Hep/rHCP 21.9 235 | 02T
LP -
[22] LHCP/RHCP 73 15 |0043%
HP/VP 20 - ]
(231 | HeprHCP | 256 4 | 010k
+45° LP/dual-LP | 239 ]
Pro. 1 | HCP/RHCP 0.1
>17.7 |16.1/16.9
VI. CONCLUSION
A wideband low profile multi-polarization

reconfigurable slot antenna with high realized gains has
been presented. Four pairs of p-i-n diodes which are
placed in four different branches of the reconfigurable
Wilkinson power divider network controlling the
antenna reconfigurable polarization modes among +45°
LP, dual-LP, LHCP and RHCP. The upper slot antenna
with fork-shaped folded feed lines provides two pure
orthogonal linearly polarizations, which makes great
help for generating wideband circular polarization. The
designed prototype was fabricated and measured,
showing agreement between the measured and simulated
results. Compared to most of the reported antennas,
wider impedance bandwidths (over 21.35% for LP and
17.70% for CP) and AR bandwidths (16.13% for LHCP
and 16.88% for RHCP) with high realized gains ~7.6 dBi
are obtained. Finally, the proposed antenna has the
advantages of multi-polarization reconfigurable ability,
wide bandwidth, low profile and high gains, which make
it possible to be applied to wireless communication
systems.
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Abstract —In this paper, different non-intrusive
stochastic approaches are compared in view of human
exposure assessment from an inductive power transfer
system at 85 kHz, dedicated to automotive applications.
The stochastic approaches are combined with a 3D finite
element method to build adequate meta-models based on
Kriging and Polynomial Chaos Expansion. These models
are used to consider the uncertainty and variability of
several parameters defining the electromagnetic problem.
Such fast predictions of uncertainties may help to improve
the design of shields for inductive power transfer systems
considering health and safety standards.

Index Terms — Human exposure, Stochastic models,
wireless power transfer.

I. INTRODUCTION

During recent years, inductive power transfer (IPT)
systems have been widely developed in several fields
such as biomedical engineering, consumer electronics
and the automotive industry [1-7]. With such increasing
use, the human exposure to the radiated electromagnetic
fields from these systems in day to day life must be
deeply investigated. It is therefore needed to evaluate the
compliance to health and safety guidelines [8].

International guidelines for human exposure safety
(such as ICNIRP 2010) include two recommendations:
reference levels and basic restrictions. The first
recommendation to be checked is the reference level. If
the reference level is exceeded, then a dosimetry analysis
(involving the human body) has to be performed in order
to be compliant to the guidelines. The work presented in
this paper deals with the reference level. At the standard
frequency for inductive power system for wireless
charging, 85 kHz, the maximum magnetic flux density
allowed according to the ICNIRP in 2010 is 27 uT
(reference level).

In order to assess human exposure near IPT systems
in automotive applications, adequate modeling methods
need to be developed. Nowadays 3D computational models
are studied and applied to solve the electromagnetic
problem involving the wireless system, the vehicle and
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the human body (in the vehicle or located beside it) [4-
7]. Such full wave computational approaches give reliable
results for the radiated fields around the system or the
induced quantities in the human body. This may lead to
heavy computations that must be repeated for each new
configuration. A major point in such problems is that the
level of field is highly dependent on various parameters:
the shape or size of coils, the geometrical characteristics
of the system (structural parts of the vehicle, shielding
plates), materials properties (ferrite, frame of the vehicle),
the possible misalignment between transmitter and
receiver while charging, the position of the human body
in case of dosimetry analysis. Moreover, each physical
or geometrical parameter may be affected by some
uncertainty. For such uncertainty propagation studies,
statistical methods based on Monte Carlo simulations
may provide reliable results [9]. With this approach, a
large set of inputs is considered, and many evaluations
of a model response are needed. This leads to a
heavy computational cost in case of complex system
configurations. To avoid the computational burden and
deal with a large variability of data, it can be very useful
to build adequate meta-models (or surrogate models).
A meta-model is an approximated behavioral model,
built with a reduced set of input data, whose behavior
is representative of the original model for all data.
Metamodeling is a well know procedure in reliability
and uncertainty propagation in mechanics. It often relies
on stochastic techniques (Kriging, polynomial chaos
expansions). In electromagnetics, similar approacheshave
been developed and applied to various problems
(electromagnetic compatibility problems, microwave
devices design, etc.) [10-12]. Recently the quantification
of the uncertainty relevant to electrical parameters of a
simple wireless transfer system was studied using a
polynomial chaos expansion [13]: both the transmitter
and receiver units have simple shapes and only consist
of a resonant coil (helical or spiral) and a matching loop.
Also, Kriging provides an efficient approach that was
combined with a finite element software for the design
of an inductive power transfer system in [14] and used
to verify the compliance of power transfer systems
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regarding human exposure [15].

This paper presents a comparison of surrogate
models, Kriging-based and Polynomial chaos-based for
the prediction of radiated field in the case of a simplified
but realistic 3D inductive power transfer system [16]. In
[6] the level of exposure of this system was studied
through a parametric analysis involving only the possible
misalignment of the two coils. Nevertheless, in practice
it is highly desirable to be able to determine the impact
of different parameters involved in the electromagnetic
analysis. The stochastic techniques used in this paper
consider the variability of different parameters defining
the 3D configuration in order to evaluate the impact on
the radiated magnetic field. In particular, the results show
that with a reduced set of input data, accurate predictions
can be obtained over a wide range of parameters. These
approaches are used to check if the reference levels
relevant to the magnetic field are compliant with the
recommendations. A sensitivity analysis is performed to
evaluate the relative impact of the different parameters.

I1. STOCHASTIC MODELING

A. Studied wireless power system

The structure considered in this paper contains two
rectangular coils (the transmitter and the receiver), and
two ferrite plates [16]. This test case corresponds to an
existing inductive power system that has been built in
Politecnico di Torino, Italy; the structure studied in this
paper involves the main parts of the coupling system.
The design also includes a steel plate that represents the
chassis of the electric vehicle (Fig. 1). Previous studies
[6] have shown that such a simplified chassis is sufficient
to evaluate its impact on the results. The dimensions of
the system are shown on Table 1. Each coil has 10 turns.
This system has been designed for dynamic charging
but only static charging is considered in this study. The
power electronics controls and keeps the rms value of the
current in the transmitter at 36 A and the current in the
receiver at 75 A.

Chassis

"--.____-_“
A

Receiver j .

Ferrites

z
v x
Fig. 1. Wireless power system.
Table 1: Dimensions of the system
Width (m) Length (m)
Transmitter 0.5 1.5
Receiver 0.5 0.25
Ferrite 0.2 0.3
Frame 1.5 0.5
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B. Kriging

Kriging is a stochastic interpolation algorithm which
assumes that the model output M(X) is a realization of a
Gaussian process indexed by the input x. A Kriging
meta-model is described by the following equation:

M@E)~M* (x) = BT f (x) + 0?Z(x, w). 1)

The first term in (1), is the mean value of the
Gaussian process (trend) and it consists of the regression
coefficients Bj (j = 1,...P) and the basis functions fj (j =
1,...P). Ordinary Kriging has a constant trend. A trend
based of linear or quadratic polynomial can also be used.
The second term in (1) consists of 2, the (constant)
variance of the Gaussian process and Z(X, ®), a zero
mean, unit variance, stationary Gaussian process. The
underlying probability space is represented by o and is
defined in terms of a correlation function R and its hyper-
parameters 0. The correlation function R = R(x; X ; 6)
describes the correlation between two samples of the
input space, e.g., X and X and depends on the hyper-
parameter 0. In the context of meta-modelling, it is of
interest to calculate a prediction MX(x) for a new point
X, given X = (Xi,...xn), the experimental design and
Y = (Y1 =M(X1),...,yn = M(Xyn)), the corresponding (noise-
free) model responses. A Kriging meta-model (Kriging
predictor) provides such predictions based on the
Gaussian properties of the process.

B. Polynomial chaos expansion
The polynomial chaos is a spectral method and
consists in the approximation of the system output in
a suitable finite-dimensional basis ¥(X) made of
orthogonal polynomials. A truncation of this polynomial
expansion can be written as follows:
P—1
MEO~MPE () = ) o W 00), @
j=0
where M(X) is the system output, X is the random input
vector made of the input parameters xi, ¥; are the
multivariate polynomials belonging to W(X), o; are the
coefficients to be estimated, ¢ is the error of truncation,
and P is the size of the polynomial basis W(X). Each
multivariate polynomial W; is built as a tensor product of
univariate polynomials orthogonal with respect to the
probability density function of each input parameter X;:
W, (X) = [T, Wi (xy). 3)
Here, inputs Gaussian distributions are used, and the
corresponding polynomial families ¥; are the Hermite
polynomials families. The coefficients in (2) can be
estimated by using spectral projections or least-square
regressions [21].

C. Polynomial chaos — Kriging

Kriging interpolates the local variations of the
output as a function of the neighbouring experimental
design points, whereas PCE approximates well the
global behaviour of the output. By combining the global
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and local approximation of these techniques, a more
accurate meta-model is achieved. Polynomial Chaos-
Kriging (PC-Kriging) can be understood as a universal
Kriging model the trend of which consists of a set of
orthonormal polynomials:
P-1
M(x)~MPEK (x) = z o W (X) + 02 Z(x, @), (4)
j=0
where the first term in the right-hand side is a weighted
sum of orthonormal polynomials describing the trend of
the PC-Kriging model, and where the second term
includes the variance and the zero mean, unit variance,
stationary Gaussian process respectively.

The three meta-models summarized above and
used in this paper are proposed in the framework for
uncertainty quantification are freely available [17].
Kriging (with different trends), Polynomial Chaos
Expansion based on the Least Angle Regression (PCE),
Kriging combined with Polynomial Chaos Kriging
(PCK) are applied to check the compliance regarding
the reference levels of radiated magnetic field. For the
frequency of interest (85 Hz), the maximum admissible
value of the magnetic flux density is 27 uT according to
the ICNIRP Guidelines (2010). The experimental design
is evaluated by the finite element method using the
commercial software COMSOL. The magneto-dynamic
problem is solved with a 3D vector potential formulation.
The mesh includes around 8000 first order tetrahedral
finite elements (Fig. 2). The average size of edges is
around 30 mm in coils, ferrite and frame. The mean
of the flux density provided by the meta-models in
a vertical line, located at 50 cm from the frame
representing the possible location of a bystander.

Fig. 2. Finite element mesh used for the computations.
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I11. NUMERICAL RESULTS

A. Configuration with 3 parameters

In the first example, the uncertainty regarding the
frame conductivity, distance between coils and length
of reception coil is investigated. Here, o, d, L are the
frame conductivity, distance between coils and length of
reception coil respectively. The range of variation is
shown in Table 1. Regarding the conductivity, the range
includes typical values relevant to composite materials
which are used in automotive applications [18,19]. These
three parameters are important for such analysis since
once a park or a road is equipped with defined transmitter
coils, different kinds of vehicle may be charged by the
system. The level of radiated field then depends on the
type of the receiver system (L and d) and car body (o).
They may strongly vary according to the vehicle. The
relative permeability of ferrite is 2200.

Table 2: Parameters: Range of variations

Parameter Min Max
o (S/m) 10* 106
d (m) 0. 1.

L (m) 0.2 0.3

The accuracy of the meta-model is checked thanks
to the LOO (leave-one-out) cross-validation provided by
each meta-model and defined according to [16]:

L00 = TiL (M (x;) — M~ (x))? /i1 (M (x;) — m)(zs-)

This quantity involves N meta-models M, each one
created on a reduced experimental design excluding Xi
and comparing the prediction to the real value M(x;). In
equation (5), m is the mean of the experimental design
response. If the LOO is close to 1, the meta-model is
highly modified if one data point is erased, whereas the
smaller it is, the least it will be modified.

In order to measure the accuracy of the output model
according to the number of sampling points, another



estimate of the accuracy can be defined, the OSE (Out-
of-Sample Error):
1 e (M) -ME ()

OSE = — X (W()) , (6)
where MK is the predictor that was trained using k data-
points among the N available.

The OSE is a measure of the accuracy of the meta-
model with a reduced set of sampling values.

For the studied case, the meta-model is constructed
with 10 randomly selected data points out of 27 (3
samples for each of the three parameters). The computing
cost for one simulation (three given parameters) is less
than 2 minutes on a work station DELL XEON E5-1630
V3 (64 Go). The number of 27 data inputs points
(full wave computations) was chosen as a compromise
between accuracy and reasonable computing time in
view of an engineering-oriented tool. The accuracy of
the meta-model is then calculated on the remaining 17
points out of 27 to get the OSE and the LOO (Table 3).
Regarding Kriging, a significant lower LOO is obtained
using a linear or quadratic term compared to an ordinary
trend. Among the three types of approaches PCK clearly
appears as the more accurate.

Table 3: Comparison of different meta-models

OSE Eq.(5) | LOO Eq.(6)

Kriging . .
(ordinary trend) 2.110 2110
Kriging . _6

(linear trend) 7.10 171

Kriging P .
(quadratic trend) 1.4 10 1310

PCK 7.10°¢ 5210

PCE 7.10°¢ 1.10®

In order to study the influence of the number of
samples on the predictions, the meta-models were
constructed on 8,10,15 randomly selected points out of
27 data points. The values of LOO for different methods
and for the three given cases are shown in Table 4. In
practice it was shown that using more than 10 points is
unnecessary to get a sufficiently accurate surrogate
model.

Table 4: LOO values for different numbers of samples
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B. Configuration with 5 parameters

In this second example, the uncertainty regarding
the frame conductivity (o), distance between coils (d),
length of reception coil (L), shift between coils (D) and
frame relative permeability (W) is studied. By increasing
the number of parameters, the objective is to evaluate
the quality of the meta-models to deal with a larger
variability of practical configurations. The distance D
refer to a possible misalignment between the transmitter
and receiver due to the vehicle position, while charging.
The permeability of the frame refers to different type of
steel material of the car body. The range of variation of
the parameters is shown in Table 5.

Table 5; Parameters: range of variations

Parameter Min Max
o (S/m) 10* 106

d (m) 0. 1.

L (m) 0. 0.5

D (m) 0. 0.5

K (H/m) 1000. 3000.

The efficiency of the different meta-models is
checked in case of 20 randomly selected data points
among 243 (3 samples for each of the five parameters).
The corresponding values of the LOO and the OSE are
shown in Table 6.

Table 6: Comparison of different meta-models

OSE LOO

Kriging - .
(ordinary trend) 3.2x10 1.x10

Kriging D .
(linear trend) 1.7x10 41x10

Kriging . .
(quadratic trend) 8.2x10 8.1x10

PCE 2.1 x10 4.2 x 10

PCK 6.3 x10°3 1.5x 10"

The influence of the number of samples is described
in Table 7. Again, PCK provides the lowest error.

Table 7: LOO values for different number of samples

8 points | 10 points | 15 points 15 points | 20 points | 25 points

Kriging -6 -4 -4 Kriging -3 -3 -4
(ordinary trend) 8.8x10 2.x10 1.6x10 (ordinary trend) 6.9x10 1.x10 8.4x10

Kriging -3 -6 -8 Kriging -2 -4 -5
(linear trend) 1.3x10 1.7x10 1.2x10 (linear trend) 1.1x102 | 41x10" | 55x10

Kriging 3 5 -7 Kriging 2 -4 -5
(quadratic trend) 5.x10 1.3x10 8.8x10 (quadratic trend) 2.6x1072 | 81x10" | 3.5x10

PCK 1.x1073 |52x10%|3.7x10%® PCK 1.7x 1073 | 42x10% | 5.2x 107

PCE 22x1073 | 1.x10% | 8.1x107 PCE 6.x1072 | 1.4x10% | 1.6 x 105
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The maximum mean value of the B field recorded
on the vertical line shown on Fig. 3 occurs in front of the
air gap between the coils. If the number of samples is
sufficient (above 20 in the present case) the three meta-
models give the same outputs: the relative error between
the field obtained but the meta-model and that deduced
from the finite element method remains below 0.6% for
all the values computed along the vertical line. The
predictions remain under the ICNIRP limit of 27 pT.

Table 8 gives the values of the Sobol indices which
quantify the impact of uncertain input variables on the
output [20]. These indices may be useful in case of
a sensitivity analysis. The higher the Sobol index, the
stronger the influence of the related input in the
output uncertainty. The Sobol indices are directly and
analytically extracted from the polynomial chaos
expansion [21]. This is a key interest of PCE: the results
are obtained sensitivity indices and are computed at
almost no additional cost with a computing time which
is several orders of magnitude lower compared to a
standard Monte Carlo analysis. As expected in this
simplified studied case, the distance between the coils
has the greatest impact on the magnetic field. Because of
the position of the observation point, the physical
properties of the plate has negligible effect. The two
other parameters which have a significant impact are the
shift between the coils and the length of the reception
coil. Of course, in the case of a dosimetry analysis
involving a realistic human exposure situation, the field
has to be evaluated accurately using many observation
points near the system (and not only on the vertical line
of interest) and in the biological tissues [22-24]. Then the
conclusions may be different.

Table 8: Sensitivity of parameters

Parameter Sobol Index
o (S/m) 1.x1078

d (m) 0.83

L (m) 0.3

D (m) 0.15

u (H/m) 1.x1078

1V. CONCLUSION

Predictions of the radiated magnetic field have been
obtained from stochastic models based on Kriging and
Polynomial chaos expansions in the case of a simplified
but realistic wireless power transfer system. This
feasibility analysis shows that meta-models provide
efficient approaches to consider uncertainties of different
physical or geometrical parameters. With a reduced
number of samples, the combination of Kriging and
Polynomial chaos expansions can be used as a fast
predictor to check if reference levels fit the guidelines
for human exposure. The work is now extended to
investigate more complex configurations, which consider
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the global structure of the vehicle. Such an approach will
also make any sensitivity analysis when designing the
system with appropriate shielding structural parts easier.
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Abstract — A new type of multilayer dual-band filtering
rat-race coupler based on fan shaped substrate integrated
waveguide (SIW) cavity is first proposed in this paper.
Resonant frequencies of SIW fan-shaped cavity (SIFC)
have been derived to construct a resonant cell. Magnetic
and electric coupling between SIFCs are realized
through multiple rectangular and circular slots located
on metal layer, respectively. Specifically, the multiple
rectangular slots are beneficial to increase coupling
bandwidth and achieve better amplitude and phase
balance. Moreover, the bandwidth ratio and center
frequency of two pass-bands can be flexibly controlled
by adjusting the size of band-stop resonators. The
detailed analysis and the design method based on
coupling matrix have been introduced to realize a
dual-band filtering rat-race coupler. The new type of
component should be able to provide at least three
functions simultaneously, including in-phase and out-of-
phase power dividing, filtering, and dual-band operation.
Compared with other filtering couplers, the proposed
design exhibits good dual-band filtering responses, high
Q factor, better isolation, amplitude balance, as well as
0° and 180° phase differences.

Index Terms — Dual-band, filtering rat-race coupler,

multilayer, substrate integrated fan-shaped cavity (SIFC).

I. INTRODUCTION

Rat-race couplers are essential components in
transceivers for microwave communication systems,
which can operate as an in-phase or out-of-phase power
divider by properly choosing the excitation ports. As
such, it can be used in the design of numerous
components such as power amplifiers, balanced mixers,
and antenna array feeding networks.

Meanwhile, the rapid development of various
wireless communication systems has also led to the
demand of dual-band operations in filters and couplers,
which hold the promise for multichannel design.
The emerging substrate integrated waveguide (SIW)
technology [1-10] provides such a platform that can
easily apply the dual-band or multilayer technology to
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the design of couplers and filters, and facilitate the
miniaturization design of couplers and filters [11-12],
which is becoming one of the primary trends for SIW
components. In [1], synthesis and design techniques of
dual-band filters are proposed. On one hand, the use of
multilayered topologies [3-6] is known to provide more
freedom to design coupling paths between waveguided
structures while maintaining a compact circuit size [9].
A compact multilayer dual-mode filter based on the
substrate integrated circular cavity (SICC) is developed
in [6]. A design method for multiband bandpass filters
with multilayer configuration is proposed in [10].

Port2
at-rac
Portl[ — oupley =
= N
e S
o —~_ |Port3
Filter Port4  Filter
(@)
| Portd | Port4
=~ s
g IPort3
Portl] x pox3 Rl [;:l\_/al-band =
Filtering Filtering
Coupler Coupler
IPortZ |Port2
(b). (©)

Fig. 1. (a) Cascaded filter and rat-race coupler, (b)
single-band filtering rat-race coupler, and (c) dual-band
filtering rat-race coupler.

Generally, couplers and filters are cascaded in
transceivers front ends with the topology shown in
Fig. 1 (a). Two filters are needed to integrate bandpass
responses into a rat-race coupler, which leads to a large
circuit area, a complex configuration and unwanted loss.
On the other hand, to further reduce size, a single device
integrated with different functionalities, such as filtering
coupler [12-25], has been attracting increasing attention.
It also recommends an effective way to avoid the
performance degradation due to a cascade connection
of two individual components, as shown in Fig. 1 (b).
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Bandpass 90° and 180° directional couplers with coupled
resonators have been first proposed in [13]. A compact
filtering 180° hybrid is presented in [16]. Based on our
knowledge, there are two methods [24-25] to realize the
in-phase and out-of-phase operations in SIW rat-race
coupler. Four TEin-mode square cavities based on
multilayer coupling structures are utilized to construct
the filtering rat-race coupler [24]. A SIW filtering rat-
race coupler based on TEi and TEzn orthogonal
degenerate modes is proposed in [25]. However, the
above-mentioned filtering couplers can only operate in
single frequency band. It is noteworthy that integrating
dual-band technology into multifunctional components
is a more effective way to realize miniaturization design.
As shown in Fig. 1 (c), the dual-band filtering coupler
is equivalent to cascading two single-band filtering
couplers operating in different frequency band. The new
type of component should be able to provide at least
three functions simultaneously, including in-phase and
out-of-phase power dividing, filtering, and dual-band
operation. Moreover, the SIW filtering rat-race couplers
with multiple frequency bands are rarely reported.

In this paper, a compact multilayer dual-band
filtering rat-race coupler based on substrate integrated
fan-shaped cavities (SIFCs) is proposed for the first
time. The multilayer SIFC structure is not only compact,
but also convenient for the realization of electric and
magnetic coupling between resonators. Specifically, the
magnetic coupling between SIFCs is obtained by using
multiple rectangular slots, which increases the magnetic
coupling strength and operation bandwidth, as well as
achieves better amplitude and phase balance. Moreover,
the bandwidth ratio and center frequency of two pass-
bands can be flexibly controlled. What's unique about
the analysis process of dual-band filtering rat-race
coupler is that the bandwidth and center frequency of
the corresponding broadband filtering coupler can be
obtained from the specification of dual-band filtering
coupler, due to the fact that the two passbands are formed
by loading the bandstop resonator. The required coupling
coefficient and external quality factor can be obtained by
analyzing the topology of the single-band filtering
coupler. Afterwards, the coupling matrix method is
used to evaluate the initial value of design parameters
accurately according to the specifications, which is
beneficial to accelerate the later optimization design
process. It's a good combination of multilayered
topologies, multiband technology and multifunctional
component, which realizes the miniaturization design of
the coupler while keeping good performance.

I1. ANALYSIS AND DESIGN
A. Coupler structure
As shown in Fig. 2, the multilayer SIW dual-band
filtering coupler consists of fan-shaped SIW cavities
coupled together by means of four rectangular slots and
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a circular slot etched in the common broad wall of
adjacent SIFCs.

Metal layerl Substratel

Coupling slot

Metal layer2 oupling slots

Port 3

Substrate2

(b)

Fig. 2.The proposed multilayer SIFC dual-band filtering
coupler: (a) top view and (b) anatomy view.

The configuration of the dual-band filtering coupler
is illustrated in Fig. 2 (b).When signals are injected into
port 1, the equal magnitude and phase signals are then
taken out from port 2 and 4. However, when port 3 is
excited, signals reach ports 2 and 4 through electrical
and magnetic coupling, respectively. Then, the equal
magnitude and opposite phase signals are acquired form
port 2 and 4. Furthermore, two pairs TMso; SIFC bandstop
resonators (Resonator I’~I1V?) are simultaneously coupling
with TMio; SIFC bandpass resonators (Resonator 1~1V)
by the post-wall irises in the common post walls.

B. Analysis of coupler

The topology of the corresponding single-band
filtering rat-race coupler is shown in Fig. 3 (a). As we
can see, since each port of the coupler is loaded by a
resonator, band-pass response can also be realized.
Moreover, if each resonator (Resonator 1~4) is replaced
by a dual-behavior unit (Unitl~4), a dual-band filtering
rat-race coupler can be obtained.

Here, the dual-behavior unit is made up of two
coupled resonators, as shown in Fig. 3 (b). Interestingly,
the single-band filtering coupler could be regarded as a
special case of dual-band filtering coupler by assuming
M11°’=M22’= M33’= M44’=0.
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The topology of the dual-band filtering rat-race
coupler is shown in Fig. 3 (b). As seen, the dual-band
rat-race coupler has following two working states. When
signals are injected from port 1, the output signals from
ports 2 and 4 are in-phase, equal power allocation
(M21=Ma1), just as an in-phase power divider should
do. If port 3 is excited, the out-of-phase responses are
obtained in ports 2 and 4 (-M>3=Ma43). In this case, the
coupler can be seen as an out-of-phase power divider.
Moreover, the output signal has dual-band response
characteristics.

Fig. 3. (a) Topology of the corresponding single-band
filtering coupler, (b) Topology of the multilayer dual-band

filtering coupler, Unit1~4 represent dual-behavior resonator.

M2L
—@Port 2
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(a) (b)

‘MSLBF/I\MZI.BF @MZL’BF@
\ 4 &
Port 1 Port 2

MS1,BF <2\ M41,BF > M4L',BE5
00— 0—9©
Port 1 Port 4

(©

Fig. 4. (a) Topology of the filtering in-phase power
divider, (b) topology of the filtering out-of-phase power
divider, and (c) topology of two second-order filters.
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As depicted in Figs. 4 (a) and (b), in these two
working states, the single-band filtering coupler is
equivalent to an in-phase filtering power divider and
an out-of-phase filtering power divider, respectively.
Moreover, divider I and II shown in Figs. 4 (a) and (b)
are both designed with 3-dB power split ability and
have same passband characteristics but quite different
phase characteristic. Therefore, the coupling coefficients
between resonators of dividers have the following
relationship:

Mo1=Mas1=-M=Ma3, (1)
each power divider can be divided into two second-order
bandpass filters which have the same operating
frequency and passband characteristics, as shown in Fig.
4 (c). The coupling matrix of this second-order coupled-
resonator band-pass filter is expressed as:

s 1 2 L
s| 0 mgipr O 0
—— 1mspr 0 mMpopr 0 @
2( 0 mypF 0 my BF
Ll o 0  mppr O

And the normalized input impedance of the filtering
power divider in Fig. 4 (a) is required to be the same
as matrix (2). Thus, the coupling coefficients for the
filtering power divider topology in Fig. 4 (a) are
determined as:

Ms1 pr=Msi, (3a)
Mor=May1=M>1 =ML BF. (3b)
According to the filter design theory some elements in
the matrix should be reduced by a factor of \/E to meet
the requirement of input port matching of the power
divider [18]:
M

12,BF
2 4)
Based on (1), (2), and (4), the coupling matrix for the
filtering power divider topology in Fig. 4 (a) is
determined as:

M12 = M14 =

Ms1 F=Msi, (5a)
Mor=M41=M>1 gF=Ma1 BF, (5b)
My; ge _ M1 ge

My,=M,=-M,, =M (5¢)

S R
The required normalized coupling coefficient (m) and

external quality factors (Qc) for the filtering power
divider can be calculated by:

M, M M
m, =— _ _ Varer
2~ EBwW  FBW | 25 T FRw (6)
o _FBW _FBW__ 1
T ML ML FBWxm- ()

Generally, external quality factor (Qe) is related to
the following two parameters: the length of feeding slot
(Lgap), the width of external coupling aperture (Wc). In



order to obtain the same return loss and passband
characteristics on each port, we have:

Qel= Qell= Qelll= QelV=Qe. 8)

C. Design considerations

Generally, the response of proposed dual-band
filtering coupler with different bandwidth ratio can be
divided into following three cases (Condition I~III).
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Fig. 5. Response of multilayer dual-band filtering coupler
in Condition I (Af'=Af", f=f).
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Fig. 6. Response of multilayer dual-band filtering coupler
in Condition II (A '<AfY, £:<f).

In the first case, the bandwidth of two pass-bands is
equal, and the bandwidth ratio equal to 1. Here, Af" and
Af " represent absolute bandwidths (ABW) of passband
1 and passband 2, respectively. Figure 5 depicts response
of the dual-band filtering coupler under Condition I.
As seen, the dual-band filtering coupler creates two
passbands (fi, fu1) and (fi2, fu). Where, fi and f, are
the center frequencies of passband 1 and passband 2,
respectively. fo and Afp are the center frequency and
bandwidth of the corresponding single-band filtering
coupler. f; and Af; are the center frequency and bandwidth
of the stopband, respectively.

As shown in Fig. 6, the second case is that the
bandwidth of the first passband is smaller than that of the
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second passband. In addition, the center frequency of
stopband is less than that of the corresponding single-
band filtering coupler.
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Fig. 7. Response of multilayer dual-band filtering coupler
in Condition III (Af >AfY, £>£).

Figure 7 plots the response of dual-band filtering
coupler in Condition III, which demonstrates that the
bandwidth of the passband 1 is larger than that of the
passband 2. Due to the fact the two passbands are formed
by splitting the frequency band of a broadband filtering
coupler into two parts, combined with the topological
structures, the bandwidth (BW) and center frequency
of the corresponding single-band filtering coupler are
obtained from the specification of the dual-band coupler

(f, =f T, ., Af +Af "=Af;), and the corresponding
coupling coefficient and Qe can be obtained by analyzing
the single-band filtering coupler, then the initial value of

the internal coupling parameters and the length of the
feeding slot can be determined.

—+— 821 (R2/R0=1.054)
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)
)
)
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Fig. 8. Variation of stopband center frequency with
R2/RO.

The central frequencies of dual-band filtering
coupler are determined by the size of the band-pass
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resonators (RO, R1). Besides, the radius of the band-stop
resonators (R2, R3) is used to control the bandwidth ratio
of the two pass-bands. As shown in Fig. 8, with the
increase of R2/R0, the center frequency of the stopband
decreases, thus the absolute bandwidths (ABW) of the
pssband 1 and passband 2 can be adjusted. Throughout
the entire procedure, it can be seen that the two
passbands of this filtering coupler can be synthesized
with prescribed BWs and center frequencies. The
resonant frequency of mode for circular cavity with solid
wall can be calculated by [34]:

Y 2
(5
NI
. H &, (9)
2 2
_ ¢ | Hm +[Ej ™,
2., R Ah

where u, and ¢, are relative permeability and permittivity
of the filling material, g, and p's are the nth roots of mth
Bessel function of the first kind and its derivative, R is the
radius of circular cavity, Ak is the height of the of circular
cavity ,and c is the speed of light in free space. According
to Equation 9 and by means of the least square method,
the resonant frequency of the TMo; mode for SIFC can
be calculated by the following formula:

0.383c 2
fu=T  —.Ry=R-——. (10

7Reff He &, 095p

by
Where, 6 is the central angle of SIFC, Re is the
equivalent radius of the fan-shaped cavity. D and p are
the diameter of metallized via-holes and center-to-center
pitch between two adjacent via-holes. by is related to
the central angle of a fan-shaped resonator. When 6=60°,
90°, 120°, by is approximately equal to 2.7, 2.1, 1.86,
respectively.

D. Design example

In this design, the targeted specification of the dual-
band filtering coupler is prescribed as follows:

1) Passband 1: 9.205-9.370 GHz (BW:165 MHz);
2) Passband 2: 9.565-9.875 GHz (BW:310 MHz);
3) In-band return loss: 20.0 dB.

According to the above analysis, the bandwidth
and center frequency of the corresponding single-band
filtering coupler are obtained from the specification of
the dual-band coupler. The desired passband of single-
band filtering coupler is centered at 9.535 GHz with the
2.9% fractional bandwidth (FBW) of 20-dB equal-ripple
return loss (1-dB BW: 475MHz). Based on the advanced
coupling matrix synthesis method in [33], the initial
normalized coupling matrix of corresponding BPF can
be synthesized as:
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S 1 2 L

S 0 1.22474 0 0

11122474 0 1.65831 0
MN+2 = 2l 0 1.65831 0 1.22474 | (1

Ll O 0 1.22474 0

From (3)—(7), (11) the desired parameters of the
filtering power dividers can be calculated as follows:
M21:M41:-M23:M43:0.0343672, Qe,51:22.7465, Qe,zL:
Qe,s1=22.7465. To extract Qe, full-wave simulations
using ANSY'S HFSS are carried out for the singly loaded
SIFC excited by a 50-Q microstrip line. The coupling
strengths are controlled by the feeding slot length Lgap
with fixed slot width Wgap = 0.3mm and coupling
window width Wc = 5.35 mm. Qe can be extracted from
the phase and the group delay response of S11 using [32]:

f0
Qe Af, (12
Where, fo denotes the frequency at which the group delay
of S11 reaches the maximum, Afioer indicates the ABW
(absolute bandwidth) between £90° points with respect
to the absolute phase of S11 at fp.

160
1401
1201
100
80
60
401
20

1 2

Qe

3 4 5 6 7
Lgap (mm)

Fig. 9. Simulated external quality factor Qe change with
Lgap, Wc=5.35mm.

Figure 9 shows the external quality factor Qe versus
the length of feeding slot Lgap. It can be seen that the
larger the feeding slots length, the smaller the external
quality factor. The adjustment of external quality factor
is realized by changing the value of Lgap, as depicted in
Fig. 9. Then, the desired Qe (Qel = Qell = Qelll= Qel V=
Qe) can be achieved and the initial value of Lgap can also
be determined.

In general, the coupling coefficient of two coupled
SIW cavities can be extracted by full-wave simulations.
For two synchronously tuned coupled resonators, two
split resonant frequencies can easily be identified by two
resonance peaks, the coupling coefficient can then be
evaluated using the formula [32]:



-ty

R P
where f,1 and f» are the lower and higher resonant
frequencies, respectively. Then, the relationship between
coupling coefficients and physical structures of coupled
resonators should be established.

The coupling coefficient M4, versus the rectangular
slot length (Lslot) and offset angle (6) are plotted in
Figs. 10 (a) and (b). Obviously, when the lengths of the
rectangular coupling slots increase, coupling coefficient
also increases accordingly. In addition, the locations of
coupling slots also have effect on the coupling strength
between two SIW cavities.

(13)

= 0.18
& 0.16
'S 0.14
% 0.12
g 0.10
o 0.08
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Fig. 10. Coupling coefficients versus the coupling slot:
(a) M4 versus Lslot, Wslot=0.8mm, and (b) M4, versus 6,
Lslot =1.85mm.
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Fig. 11. Coupling coefficients versus the coupling slot:
(a) M versus ap3 and (b) Ma3 versus Rslot.

Figure 11 illustrates the extracted curves of M1, M3
which versus the width (ap3) and the radius (Rslot) of
coupling slot, respectively.

In summary, the design procedure of the proposed
dual-band filtering coupler is listed as follows. Firstly,
the bandwidth (Afo) and center frequency (fo) of the
corresponding single-band filtering coupler are obtained
from the specification of the dual-band filtering coupler.
Then, the resonant frequency of the SIFC is calculated
by formula (9) ~ (10), to meet the required center
frequency fo. Secondly, a coupling matrix of a second-
order BPF is synthesized according to the desired center
frequency fo and the fractional bandwidth (FBW). Thirdly,
according to formulas (3) ~ (8), the coupling matrix and
Qe of the corresponding filtering coupler are obtained.
Moreover, internal coupling parameters (Lslot, 8, ap3,
Rslot) and external coupling parameters (Wcl, Wc2,
Lgap) are tuned to meet desired values of coupling
coefficients and external quality factor, respectively.
Finally, fine tuning of the entire structure is performed
to realize good dual-band filtering rat-race coupler
performance.

Il. SIMULATED AND MEASURED
RESULTS

After optimization implemented by HFSS, the
geometry parameters of the proposed dual-band filtering
coupler are chosen as follows (all in mm): Ry=12.9,
R1=14.15, Ry=R3=14.2, ap3=4.77, Lgap=5.1, Wgap=0.3,
6=19deg, apl=4.6 ap2=4.7, Rslot=1.4, Lslot=1.9,
Wslot=0.9, Wc1=5.36, Wc2=5.96, Lstrip=11, Wstrip=1.15,
D=0.8, p=1.5. To verify the above method, the proposed
dual-band filtering coupler was designed and fabricated
on a substrate with thickness of 0.508 mm, relative
dielectric constant of 3.5 and dielectric loss tangent
0.0018 (at 10 GHz). The measurement is accomplished
by using the Agilent N5244 A network analyzer.

Figures 12 (a), (b) show the simulated and measured
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S-parameters under the in-phase operation. The measured _ 0 T,
first passband is centered at 9.308 GHz with the 1-dB % -5
FBW of 1.62%. The in-band return loss is better than 15 = -10] PR il |
dB. The minimum insertion losses including the 3-dB %_15‘ :l;::::z:::::;
equal power division loss are (3+1.95) and (3+2.05) dB, 5_20_ .~ §33(measured)
with the amplitude imbalance of 0.1 dB. = o St
The second passband is located at 9.738GHz with a2 +— S43(measured)
the 1-dB FBW o0f 3.12%. The in-band return loss is better o0
than 18.5 dB. The minimum insertion losses including e e e AR OI0E T e
the 3-dB equal power division loss are (3+1.28) and Frequecy (GHz)
(3+1.33) dB, with the amplitude imbalance of 0.1 dB. (a)
Figures 13 (a), (b) show the simulated and measured 0
S-parameters under the out-of-phase operation. The % .~ $33(simulated)
measured first passband is centered at 9.310GHz with g e
the 1-dB FBW of 1.53%.The in-band return loss is better % 40 S43::i2:|:t:d;
than 16 dB. The minimum insertion losses including the € R s
3-dB equal power division loss are (3+1.99) and (3+2.08) g 60+ - :iglgz:::::::;
dB, with the amplitude imbalance of 0.1 dB. The second 2
passband are located at 9.739 GHz with the 1-dB FBW 9 80+
of 3.05%. The in-band return loss is better than 20 dB. z 5 0 11 5
The minimum insertion losses including the 3-dB equal Frequecy (GHz)
power division loss are (3+1.35) and (3+1.4) dB, with (b)

the amplitude imbalance of 0.1 dB.

When signals are injected from port 1 and port 3, the  Fig. 13. Simulated and measured results of the fabricated
measured in-band phase differences between two output dual-band filtering coupler: (a) and (b) Port 3 is excited.
ports are nearly 0° and 180°, respectively, with the

variation of less than 3.5°, as depicted in Fig. 14. 210,
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Fig. 14. Phase differences of the fabricated multilayer
Fig. 12. Simulated and measured results of the fabricated dual-band filtering coupler: (a) first passband and (b)
dual-band filtering coupler: (a) and (b) Port 1 is excited. second passband.



Fig. 15. Photograph of the fabricated multilayer dual-
band filtering rat-race coupler.

Figure 15 is the photograph of the fabricated
multilayer dual-band filtering rat-race coupler.

A detailed performance comparison with filtering
couplers in recent years is shown in Table 1. Compared
with [16] and [17], the proposed design has much higher
QO factor and self-consistent electromagnetic shielding
structure, which is suitable for higher frequency operation.
In [19], although the Q factor of the filtering coupler is
very high, the 3-D DR structure with large height makes
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it more difficult to be integrated with other planar circuits.

A single-band filtering rat-race coupler based on the
orthogonal modes is proposed in [25]. The desired 0° and
180° phase differences are realized by the inherent
characteristics of TEo2 and TE2o; modes. Therefore, the
input port and isolation port, as well as the two output
ports, must be kept perpendicular to each other, which
makes the phase characteristics and isolation dependent
on the port direction. In [26], a novel coupler with
arbitrary division, optional phase difference, and
alternative input/output impedances is presented for the
first time. Based on hybrid couplers, a microwave device
able to detect differential-mode to common-mode
conversion is proposed in [27]. A dual-mode hybrid
coupler, capable of providing distinguished functions as
rat-race couplers at two frequency bands, is first
demonstrated in [28]. Compared with the works in [16-
28], the proposed structure not only has relatively high
Q factor, better isolation, flexibly controlled bandwidth
ratio, simple structure, but also can be suitable for the
application of multiple operation band, which is helpful
to achieve high density and miniaturized RF/microwave
wave system.

Table 1: Performance comparison of various filtering rat-race couplers

fo (GHz)/ IL (dB)/ Mag.(dB)/ Phase .. ._ | Techniques/
Ref. FB\SV (%;/& Isolation (((jB)/)Q factor (deg)(lmz)alance AOB™ | Circuit Size Laye?s*
[16] 2.4/10/2.2 0.7/20/80 1/2 1 0.32x0.32A¢? | Microstrip/1
[17] 0.47/13/3.38 1.17/25/60 0.2/4.5 1 0.23x0.12A¢? | Microstrip/1
[19] 1.94/0.5/38 1.2/23/2000 0.3/5 1 0.29%0.29)¢ DR/-
[22] 20/2.6/2.2 1.63/28/190 0.3/5 1 2.51x2.514¢ SIw/1
[23] 11/3.6/3.5 1.6/20/170 0.6/8 1 1.59%1.26/4° SIw/1
[24] 7.75/2.7/3.5 1.5/25/200 0.6/5 1 0.79x0.45)¢? SIW/2
[25] 11.8/3.5/3.5 1.3/18/210 0.1/3 1 1.18x1.18/4° SIw/1
This 19 309.73/1.6,3.1/35 | 1.92,1.35/30,27/210 0.05/3 2 119x1.192 | SIwR
work dual-band

Where /4 is the guided wavelength on the substrate at the center frequency fo, FBW represents the fractional bandwidth.
AOB* represents the number of available operation bands. Layers* represents the number of substrate layers.

1V. CONCLUSION

In this paper, a compact multilayer dual-band
filtering rat-race coupler based on substrate integrated
fan-shaped cavities (SIFCs) is proposed for the first time.
Simulated and measured results have been presented to
verify the proposed method. Magnetic and electric
coupling between SIFCs are realized through multiple
rectangular slots and circular slots etched on metal layer,
respectively. What's unique about the analysis process of
dual-band filtering rat-race coupler is that the bandwidth
and center frequency of the corresponding broadband
coupler can be obtained from the specification of dual-
band filtering coupler. The required coupling coefficient
and external quality factor can be obtained by analyzing
the topology of the single-band filtering coupler.

Afterwards, the coupling matrix method is used to
evaluate the initial value of design parameters accurately
according to the specifications. Generally, the proposed
designs have shown excellent performance of dual-band
filtering responses, isolation, amplitude balance, 0° and
180° phase differences, as well as the compact structure.
The proposed multilayer SIFCs dual-band filtering rat-
race coupler could be more suitable for the development
of high density and miniaturized RF/microwave system.
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Abstract — With the merits of simple structure, strong
stability and high power factor, the application of
Permanent Magnet Synchronous Motor (PMSM) have
become more and more widespread. Meanwhile, rotor
position information of PMSM is of vital importance to
motor driving. This paper is mainly to research the rotor
position detection of Printed PMSM, and, by applying
fluxgate technology into the detection process, the rotor
position is determined based on the leakage magnetic
field of the rotor. The simulation of the rotor leakage
magnetic field is made using Finite Element Analysis
(FEA), which verifies the feasibility of rotor position
detection methods based on the Leakage Magnetic Field
of Rotor. Finally, through the experimental prototype of
Printed PMSM and fluxgate sensor, Printed PMSM can
be driven using a rotor position detected by fluxgate
sensors. Fluxgate sensors have advantages of high
resolution, strong anti-interference ability, good stability,
wide measurement range and ability of miniaturization
design, making it suitable to detect weak leakage
magnetic field at the end of the rotor so that Printed
PMSM has advantages of integration and easy
maintenance. Meanwhile, methods mentioned in this
paper/article are also applicable to other kinds of PMSM
and have certain guiding significance for the integration
design of PMSM.

Index Terms — Finite Element Analysis (FEA), leakage
magnetic field of rotor, printed PMSM, rotor position
information.

I. INTRODUCTION

In recent years PMSM has received a lot of
researches and is widely used in various fields, which has
become mainstream of AC speed regulation and servo
field [1]. In the closed-loop control system of PMSM,
motor rotor position is an indispensable physical
quantity for PMSM control. A lot of researches on
sensor-less detection technology have been done, but due
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to its high requirements to motor, it is difficult to
accurately control motor under low speed and zero speed.
In addition, the control algorithm is complex, which
cannot guarantee the accuracy of rotor position estimation
[2-3], so position sensors are still irreplaceable in high
performance PMSM control systems. Furthermore,
PMSM has the advantage of high power-density and its
volume is gradually becoming smaller, so additional
position sensors are becoming design burdens, resulting
in new design that is more likely to integrate position
sensor built-in.

Printed PMSM belongs to disk type motor and has
merits of short axial distance, simple structure, mature
production process, convenient, low cost, small
mechanical tolerance. It has great advantage in large-
scale applications, and is mainly applied to aerospace,
computer peripherals, power tools, electric vehicles, etc.
where the requirements for wheelbase are high. For
Printed PMSM, this paper proposes a rotor position
detection method based on leakage magnetic field, which
has better linearity and precision than traditional Hall
method.

I1. ANALYSIS OF STRUCTURE AND
CONTROL TECHNOLOGY

A. Structure of Printed motor

Figure 1 (a) shows the Printed PMSM structure,
including rotor, magnetic conductive plate and Printed
armature winding [4]. Rotor is composed of a permanent
magnet and a stator core. Magnetic steel is magnetized
axially and is laid on rotor core. The adjacent magnetic
steels are opposite in magnetic polarity, and N poles and
S poles are arranged alternately. There are many choices
for the shape of magnetic steel: cylindrical, fan-shaped
and trapezoidal. Printed windings are applied to stator,
and stator windings are fixed on magnetic conductive
plate which only functions to constitute a good magnetic
loop. The ideal structure of rotor permanent magnet is
fan-shaped, but this kind of structure has high cost.
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Therefore, the laboratory designed rotor permanent
magnet of the motor adopts a cylindrical structure, as
shown in Fig. 1 (b). The prototype of motor designed in
laboratory is shown in Fig. 1 (c).

(b) (c)
1-Casing, 2-Shaft, 3-Rotor core, 4-Permanent magnet,
5-Air gap, 6-PCB winding, 7-Stator core, 8-Bearing,
9-Insulating paper, 10-rotor core, 11- Permanent magnet

Fig. 1. (a) Structure of Printed PMSM, (b) rotor
structure, and (c) prototype of Printed PMSM.

The conventional Printed PMSM stator adopts a
spiral winding structure, as shown in Fig. 2 (a). The
winding conducting bar of this structure are compact and
three-phase windings are distributed in each layer, so the
utilization rate of Printed board is relatively high. The
endline is long, and copper loss is high. Stator of Printed
PMSM designed by laboratory adopts wave windings
structure, as shown in Fig. 2 (b). Compared with spiral
winding, Printed circuit board with wave winding
structure has a very high utilization rate, and the number
of via holes per phase winding is small. Besides, the
structure of wave winding is simpler than that of spiral
winding. Moreover, at the same speed, the induced
electromotive force of wave winding is larger. The
parameters of Printed PMSM designed by laboratory are
shown in Table 1.

Fig. 2. (a) Spiral winding and (b) wave winding.
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Table 1: Main parameters of Printed PMSM

Parameters Value
Rated power/W 48
Rated voltage/V 5
Rated current/A 4
Rated Torque/ Nm 0.5
Phase number 3
PCB layer number 6
Number of turns per phase 4
Number of poles 4
Rated speed/rpm 750
Diameter of permanent magnet/mm 25
Thickness of permanent magnet/mm | 4
Flux linkage/Wb 0.023
Stator diameter/mm 120
Stator resistance/Q 0.5
Air gap/mm 4
Conducting bar thickness/mm 0.2
Conducting bar width/mm 0.8
Maximum current/A 6
Maximum voltage/V 12

B. Mathematical model of Printed PMSM

The mathematical model of Printed PMSM is the
same as that of conventional PMSM. In order to simplify
the mathematical model of a Printed PMSM, changing
the reference coordinate system is often required. For
control system, although the actual parameter is a
sinusoid, we still want the system variable to be simple.
Therefore, it is possible to convert the sinusoidal quantity
to DC quantity by establishing a reference coordinate
system whose rotation speed is consistent with the
angular velocity of sinusoidal variable, which is called
Park transformation in mathematics. The system can be
decoupled with Clark and Park transformation performed
on motor mathematical equation in ABC stationary
coordinate system. The specific equations are as follows.

Clark transformation and its inverse transformation:

o _% _%
C5 s — ~ ’ (1)
Bi2s T g . ﬁ _ﬁ
2 2
10
2 1 3
Cop==| = — |.
2s/3s 3 2 2 (2)
1B
L 2 2 |
Park transformation and its inverse transformation:
co - cos@ sind 3
22 _sin@ cosd | ®)
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The mathematical model of transformed PMSM in
d-q rotating coordinate system is:

{ud =Riy + py, — oy, (5)
u, =R, + py, + oy,
{l//d = Lyiy +y; (6)
o =L,

where ug and uq are respectively the stator voltage
component of d and q axis, id and iq are respectively the
stator current component of d and q axis, wq and yq are
respectively the main flux component of d and g axis, Lg
and L are respectively the inductance of d and q axis, s
is flux produced by permanent magnet.

The torque expression of motor is:

T, =1.5n, [y, + (Ly — Ly)igi, . )
Since Lq and Lq are equal in Printed PMSM, equation

(7) can be simplified as:
T, =150y, (8)

C. Control technology of Printed PMSM

Printed PMSM can be controlled by vector control
technology. Vector control is also called field oriented
control or decoupling control. The principle of rotor-
oriented vector control is to transform the motor model
from a stationary coordinate system into a rotating
coordinate system, and a model similar to a DC machine
can be obtained. By controlling stator excitation input,
the torque and flux can be separately controlled to
achieve torque control.

According to the torque equation (7), the output
torque of motor can be controlled by controlling stator
current iq. Since the Lg and Lg are equal in Printed
PMSM, ig=0 control is the maximum torque/current ratio
control, that is to say, maximum torque output can be
obtained with same bus current. Figure 3 shows the iz=0
control vector diagram.

BA

_y>

Fig. 3. ig=0 control vector diagram.

Figure 4 shows a control block diagram of id=0
vector control of Printed PMSM. In the figure, 6 and n
are respectively the rotor position angle and motor speed;
ia, In , Ic are three-phase instantaneous currents; id and iq
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are respectively d and q axis stator current components.
The inner loop of system is current loop, and current
regulator outputs the reference value of space voltage
vector. The outer loop of system is speed loop, and speed
regulator outputs the given current. The difference
between set value of current and actual value is input to
current regulator. The output reference vector of current
regulator is sent to the inverter to generate a PWM signal
to control inverter power tube, thereby realizing the
control of stator current of Printed PMSM. Therefore,
rotor position is still important for driving Printed
PMSM.

4*“’7
1 u, ; U'
. q sz » PSV\YM::> Inverter
AscY.
4
) .
Ia
dg
i
n ABCr—> PMSM
Position and i

speed detection
Fig. 4. i3=0 control system block diagram.

I1l. FEA OF PRINTED PMSM LEAKAGE
MAGNETIC FIELD

The direction of the air gap magnetic flux density of
Printed PMSM designed by laboratory is axial, so the
magnetization direction of permanent magnet is axial,
and the main simulation parameters of Printed PMSM
are shown in Table 2. The magnetic field generated by
permanent magnet passes axially through the air gap, and
back to the air gap to the opposite polarity permanent
magnet through the stator magnetic plate. However, due
to the scattering of magnetic field of permanent magnet,
there is leakage magnetic flux directly closed in the
air gap at the radial edge of permanent magnet. The
simulation model of motor established in the finite
element software Ansoft Maxwell is shown in Fig. 5 (a),
and for better observation, the rotor core is hidden [5].
When motor is under no-load condition, the magnetic
flux density distribution at the radial edge of rotor
permanent magnet in which the radius r = 47mm is
shown in Fig. 5 (b), and the magnetic flux density
distribution and magnetic flux density harmonic
histogram in radial direction of this radius are shown in
Fig. 5 (c) and Fig. 5 (d), respectively. It can be seen from
Fig. 5 (b) that the magnetic field is diverging around
the circumference of rotor permanent magnet edge, and
the magnetic field of the opposite polarity is reversed.
According to the Fig. 5 (c), the radial magnetic field
distribution at this circumference is approximately
sinusoidal. Since there are 4 pairs of poles in this motor,
the number of magnetic field cycles is 4 in one
mechanical cycle. By performing harmonic analysis on
the magnetic flux density of Fig. 5 (c), result is obtained



which is shown in Fig. 5 (d). It can be seen that except
for the fundamental wave, the third harmonic is the
highest, and the other harmonic content is very small.
Therefore, the third harmonic is the main factor causing
distortion of the magnetic field distribution.

Table 2: Main simulation parameters of Printed PMSM

Parameters Value
Rated power/W 36
Phase number 3
PCB layer number 6
Number of turns per phase 4
Number of poles 4
Maximum speed/rpm 2000
Thickness of permanent magnet/mm 4
Outer diameter of PM/mm 92
Inner diameter of PM/mm 40
Air gap/mm 4
Conducting bar thickness/mm 0.2
Conducting bar width/mm 0.8

Permanent Magnet

Stator Winding

plate
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Fig. 5. (a) Motor simulation model with hidden rotor
core, (b) magnetic flux density distribution (r=47mm),
(c) magnetic flux density distribution (r=47mm), and (d)
magnetic flux density harmonic histogram (r=47mm).

The magnetic field distribution vector at the
circumference of radius r = 60mm (the circumference of
motor stator edge) is shown in Fig. 6 (a). The magnetic
flux density distribution and magnetic flux density
harmonic histogram at the radial direction of this
circumferential are shown in Fig. 6 (b) and Fig. 6 (c).
It can be concluded that the magnetic field at this
circumference is substantially sinusoidal in space, and
magnetic field starts from the N pole of permanent
magnet and returns to the S pole along the air gap in
radial direction. In this case, the third harmonic content
of radial magnetic field is also higher than other
harmonic content, but significantly less than the third
harmonic content in the simulation of Fig. 5.
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Fig. 6. (a) Magnetic flux density distribution (r=60mm),
(b) magnetic flux density distribution (r=60mm), and (c)
magnetic flux density harmonic histogram (r=60mm).

At the circumference of r = 60mm, the vector diagram
of magnetic field distribution is shown in Fig. 7 (a), the
magnetic flux density distribution and magnetic flux
density harmonic histogram in the radial direction of
this circumference are shown in Figs. 7 (b) and (c),
respectively.

From the simulation, it can be seen that the magnetic
field harmonic in this case is slightly more than that in
the simulation of Fig. 6, and the magnetic flux density is
about 500uT. Therefore, two fluxgate detectors can be
mounted on the circumference of the air gap between the
stator and rotor of motor with a radius r = 65 mm, that is,
a circumference of 5 mm from the edge of stator.
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Fig. 7. (a) Magnetic flux density distribution (r=65mm),
(b) magnetic flux density distribution (r=65mm), and (c)
magnetic flux density harmonic histogram (r=65mm).

The above simulations are all carried out under no-
load condition of the motor. When motor is running
under rated state, stator current will generate stator
magnetic field. In this case, the magnetic flux density
distribution and the harmonic histogram in the radial
direction at the circumference of radius r = 65 mm are as
shown in Figs. 8 (a) and 8 (b), respectively. It can be seen
that, compared with the magnetic leakage distribution of
no-load motor, the symmetry of leakage magnetic flux
distribution of each pair of poles is deteriorated because
the motor running in rated state is affected by stator
magnetic field, and not only leakage magnetic flux
amplitudes are different, but also the harmonics are
different, which increase the difficulty of leakage
magnetic flux detection.o

According to the above simulation analysis, the
leakage magnetic flux intensity of permanent magnets is
different at different positions, and so is the magnetic
field distribution under no-load and rated operating
conditions. In no-load mode, on the circumference of
the air gap of radius r = 47mm, sinusoidal distribution
of magnetic flux density is better, the harmonic law is
obvious, and the signal intensity is large. While in rated
mode, on the air gap circumference with radius r = 60mm
and r = 65mm, the magnetic flux density distribution still
has a good sinusoidally degree, but harmonics become
more complicated and signal intensity get smaller with
the increase of radius. In Printed disc type motor, the
radial outer end of permanent magnet is relatively wide,
and in general motor, motor end space is also relatively
rich, which is a preferred position for installing magnetic
sensor.

However, at the end of motor, leakage magnetic
flux density of permanent magnet is weak. A generally
magnetic sensor cannot detect the magnetic field at this
position, so magnetic sensor needs to be installed at a
suitable position inside the motor. For example, Hall



sensor has a generally detectable magnetic field intensity
range of + (0.1~0.15) T. According to the above
simulation, this leakage flux intensity is inside the motor
of this simulation, so installing Hall sensor can be very
troublesome and difficult to repair and replace. The
fluxgate sensor can detect weak magnetic fields, and its
magnetic field detection has a wide range of intensity
and high resolution. According to the range of leakage
magnetic flux intensity at the end of motor, the
requirement of leakage magnetic field intensity detection
at this position can be satisfied by rationally designing
structure of fluxgate sensor. Therefore, compared with
other magnetic sensors, the fluxgate sensor is more
suitable for determining the rotor position of motor due
to its special performance. Therefore, compared with
other magnetic sensors, fluxgate sensor is more suitable
for determining the rotor position of motor due to its
special performance.
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Fig. 8. (a) Magnetic flux density distribution under
rated condition (r=65mm), (b) and magnetic flux density
harmonic histogram under rated condition (r=65mm).

IV. ROTOR POSITION DETECTION
METHOD BASED ON LEAKAGE
MAGNETIC FIELD

A. Working principle of fluxgate sensor

The fluxgate sensor is a device sensitive to external
magnetic field, which made by utilizing the property
that magnetic core material has a nonlinear change in
periodic supersaturation state, and is mainly composed
of an iron core, an excitation coil and an induction coil.
The working principle can be described by Fig. 9.
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Fig. 9. (a) Magnetization curve of ferromagnetic
material, (b) magnetic flux density curve, (c) magnetic
field strength curve, and (d) coil structure diagram.

Figure 9 (a) shows the magnetization curve of
ferromagnetic material. When the magnetic field intensity
Ha(t) generated by excitation coil periodically changes
and its amplitude is greater than the saturation magnetic
field intensity Hs of core material, core material is in
periodic supersaturation state, when the magnetic flux
density changes as shown by solid line in Fig. 9 (b).
Since the magnetization curve of core material is
symmetrical, the magnetic induction signal shown by
solid line in Fig. 9 (b) contains only the odd harmonics
of magnetic field intensity Hi(t), and the induced voltage
of induction coil contains only odd harmonics. When
there is an external magnetic field intensity Ho, magnetic
field strength changes as shown by dashed line in Fig. 9
(c). The magnetic flux density curve at this time is as
shown by broken line in Fig. 9 (b), and the upper half
is wider than the lower half, which will cause even
harmonics of induced voltage signal of induction coil
in Fig. 9 (d). In even harmonic of the signal, because
the second harmonic content is proportional to the
magnitude of external magnetic field within a certain
range of external magnetic field intensity, second
harmonic signal is often used to detect the magnitude of
external magnetic field intensity Ho [6].

Second harmonic signal that the single-core flux
sensor of single-core core outputs is small, and there are
a large number of useless odd harmonic signals, resulting
in difficult useful signal extraction. Therefore, a double-
core sensor is generally selected. The excitation coil of
double-core sensor is wound on two cores in the same
polarity and the number of turns of two coils is equal,
and induction coil wraps two core windings. When
excitation coil applies AC excitation and the core of
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sensor reaches a periodic supersaturation state, the odd
harmonics in voltage signal induced by induction coil
cancel each other, and the even harmonics overlap each
other.

B. Mathematical model of fluxgate detection

The fluxgate of double iron core structure can
effectively suppress useless signal and increase useful
signal. The structure diagram is shown in Fig. 10.

Excitation Induction
coil coil

L o o oy A

—| i(t) |

v

«%——e@)——%l

Fig. 10. Structural sketch of dual-core fluxgate.

In Fig. 10, Nz is the number of excitation coils of
two cores, Ny is the number of turns of induction coil, S
is the cross-sectional area of core, and ux is magnetic
permeability. The excitation coil is supplied with an
alternating current of which the frequency is fex, which
produces the internal magnetic field intensity Ha(t)
having equal magnitude and opposite direction on two
cores, while iron core is in a periodic supersaturation
state. The internal magnetic field intensity Hi(t) can be
described by:

H,(t) = H,, sin(2xf_t), 9
where Hm is the amplitude of internal magnetic field
intensity Hi(t).

If there is no external magnetic field, it can be
known from Faraday law of electromagnetic induction
that the alternating magnetic field in two cores changes
the magnitude of the induced voltage generated on
induction coil, and the direction is opposite, so the
fluxgate sensor has no voltage signal output.

If there is an external magnetic field intensity Ho, the
magnetic fields inside two cores are:

{H :,(t) =H,(t)+H, , (10)
H (t) = H,(t) - H,
where H'(t) is the internal magnetic field of one core,

and H'(t) is the internal magnetic field of the other

core.
The induced voltage on fluxgate sensor induction
coil is:
o) =N, 3L (2tH 0, g 9Lx (td)tH O ()
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where 4 (t) and x'(t) are the magnetic permeability

functions of two cores, respectively. The direction of
magnetic field generated by excitation signal is
periodically changed, but magnetic permeability has no
polarity, that is, the excitation of magnetic field in
both directions produces two changes in magnetic
permeability. Therefore, the frequency of magnetic
permeability change is twice that of the magnetic field,
which is an even function in time. Equation (12) shows
the magnetic permeability expanded according to the
Fourier series:

M) = po + 1y, COSAT Tt + 11, COSBT T T+
o (12)
= o COSANT .

n=0

Because of the existence of external magnetic field,
the saturation and magnetic permeability of two cores are
different. By substituting equations (9), (10), (12) into
equation (11), it can be concluded that:

e(t) =—N,SH, [27f, O 1 pm COSANT f 1 -siN 27 F 8
n=0

=D Mo COSANTft-siN 27 f, 1)

n=0

—cos2x ft- (z anzf p,,.sindnrf,,

n=0

= Azt uy,sindnf,)]

n=0

+N,SH, £, Y dnzy,,  sinanxf,

n=0

+N,SH, f

ex

> anmu'y,, sindnzf,,
n=0

(13)
where 4, . and x4, . are the Fourier decomposition

coefficients of magnetic permeability of two cores.
Generally, the strength of external magnetic field
detected by fluxgate sensor is much smaller than the
saturation magnetic field of iron core, so the difference
of the total magnetic field after superimposing external
magnetic field in two cores is small, that is, the
difference in magnetic permeability between two cores
is small. In order to simplify the analysis, assuming that
changes in the magnetic permeability of two cores are
both w(t), then equation (13) can be simplified as:

e(t) = 2N,SH, f, > 4nmu,, . sindnzf,,. (14
n=0

Comparing equation (14) with equation (13), it can
be seen that in double core structure, voltage signals
independent of the external magnetic field are mutually
suppressed, and the related voltage signals are
superimposed on each other, thereby effectively reducing

the difficulty of extracting useful signals.



C. Advantages of fluxgate sensor
A comparison of three common commercial position
sensors is shown in Table 3.

Table 3: Comparison of three position sensors

Photoelectric Resolver Hall
Encoder Sensor
Volume Little small Large Small
Structure Simple Complicate | Simple
Resolution High Little high Low
Precision High Little high Low
Range~ @it Small Large Small
operation
Temperature High Low High
Speed range High Low High
Request to
working High Low Low
environment
Cost High Little high low

The fluxgate sensor is a magnetic sensor capable
of detecting a weak magnetic field, of which the basic
structure is composed of an iron core, an induction coil
and excitation coil wound around iron core, and belongs
to an induction transformer structure. When fluxgate
sensor is working, it is necessary to apply an alternating
current power to its excitation coil to make the core of
fluxgate in a state of periodic supersaturation. When
there exist an external magnetic field, the induction coil
of fluxgate will induce an electromotive force related to
the strength of external magnetic field. Fluxgate sensor
has the advantages of high resolution, strong anti-
interference ability, good stability, wide measurement
range, and ability of miniaturized design [7-11], making
it can be designed as a sensor to detect the position of
PMSM rotor.

D. Analysis of detection method based on leakage
magnetic field of rotor

The detection method based on leakage magnetic
field of rotor is simple in structure and can be integrated
with motor. However, this method has high requirements
on design, manufacture and control of motor, and its
accuracy is also affected by motor operating conditions.
In the case where the position of motor space is strictly
required, the volume and mounting position of fluxgate
sensor must also be considered [12]. This section will
analyze the effects of motor system on rotor position
detection.

a) Leakage flux distribution under the influence of
working conditions

According to the analysis of Printed permanent
magnet synchronous motor, the magnetic field
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distribution on the circumference of the radius r = 65 mm
at the air gap between stator and motor rotor is
approximately sinusoidal under no-load conditions,
and leakage flux distribution of each pair is similar.
However, when motor is running under rated conditions,
it can be seen from Fig. 8 (a) that the leakage magnetic
flux distribution of each pair of poles changes and is no
longer the same. However, when motor is running under
rated conditions, it can be seen from Fig. 8 (a) that the
leakage magnetic flux distribution of each pair of poles
changes and is no longer the same. Influenced by stator
magnetic field, compared with Fig. 7 (b), the leakage
flux distribution of four pairs of poles in Fig. 8 (a) is
different, and the amplitude of magnetic field intensity is
obviously asymmetrical. It can be seen that the leakage
flux distribution of motor is affected by operating
conditions of the motor, which affects the accuracy of
rotor position detection of motor.

b) Leakage flux distribution under the influence of
rotor permanent magnet migration

The motor model designed by laboratory is little
rough. During the manufacturing process, the installation
of permanent magnet will be inevitably deviated, that is,
center positions of permanent magnets are not on one
circumference. Taking no-load operation of motor as an
example, the simulation analyzes distribution of leakage
magnetic flux when permanent magnet is deviated.
Taking two permanent magnets on the same diameter as
an example, the permanent magnets of motor simulation
model are offset, that is, one permanent magnet is shifted
inward by 1 mm, and one permanent magnet is shifted
outward by 1 mm, as shown in Fig. 11(a). The magnetic
flux density distribution in radial direction on the
circumference of radius r = 65 mm at the air gap between
stator and rotor of motor is as shown in Fig. 11 (b). It can
be seen that the leakage magnetic flux distribution of
four pairs of poles is significantly different, and the
amplitude is no longer symmetrical. By analyzing
harmonic of leakage magnetic flux, the magnetic flux
density harmonic histogram is obtained in Fig. 11 (c),
and harmonic content is significantly increased. This is
the result of the migration of two permanent magnets.
During the motor manufacturing process, there may be
cases where centers of eight permanent magnets are all
offset. The distortion of leakage magnetic flux caused by
permanent magnet migration significantly increases the
error of motor rotor position detection.

According to the above analysis, the magnetic flux
detection method includes the detection error of fluxgate
sensor itself, and also has additional detection error
caused by motor system. Since the motor is a four-pole
structure, the leakage magnetic flux distribution of each
pair is easily affected by motor manufacturing and
operation conditions, so that the leakage magnetic flux
distribution of four pairs of poles is different, which
increases the difficulty of detecting rotor position of motor.
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Fig. 11. (a) Permanent magnet shift diagram (r=65mm),
(b) magnetic flux density distribution with shifted
permanent magnet (r=65mm), and (c) magnetic flux
density harmonic histogram with shifted permanent
magnet (r=65mm).

V. PROTOTYPE EXPERIMENT ANALYSIS

A. Production and testing of fluxgate sensors
According to the principle of fluxgate, fluxgate
sensor core needs to use a soft magnetic material with a
small coercive force. However, in the sensor structure
designed herein, the strip 1J85 does not have sufficient
physical support capability, so it is necessary to design
a skeleton support material. The core skeleton model
designed by Soildworks software is shown in Fig. 12
(a).The core material 1J85 is cut and then attached to the
groove of core frame and fixed with glue. Its physical
picture is shown in Fig. 12 (b). The excitation coil is
wound directly on both sides of core frame. In order to
facilitate the winding of induction coil, induction coil

ACES JOURNAL, Vol. 35, No. 3, March 2020

winding skeleton is designed, and model and physical
map are respectively shown in Figs. 12 (c) and (d).

(b)

(d)

Fig. 12. (a) Core skeleton model, (b) core skeleton actual
picture, (c) induction coil winding skeleton model, and
(d) induction coil winding skeleton actual picture.

Induction coil winding skeleton and iron core
skeleton are matched structures, and iron core skeleton
can be inserted into the groove of induction coil winding
skeleton. Induction coil winding skeleton total length is
35mm, width is 25mm, and wall thickness is 2mm. In



order to enable core skeleton after winding excitation
coil to be inserted into the rectangular groove of
induction coil winding skeleton, the designed rectangular
groove has a certain margin, of which the length is
17.5 mm and width is 3 mm. Both the core skeleton and
induction coil winding skeleton are Printed by a 3D
printer, and printing consuming materials are made of
PLA (polylactic acid) material having good mechanical
and physical properties.

After skeleton model is designed, the excitation coil
and induction coil need to be wound on skeleton. The
total turns of excitation coil is 110, and copper enameled
wire with a diameter of 0.29mm is selected. The total
turns of induction coil is 400. For easy winding, a copper
enameled wire with a diameter of 0.2 mm is selected.
The number of turns of excitation coil and induction coil
can be adjusted according to the actual situation, and the
physical diagram of fluxgate detector is shown in Fig.
13.

g

Fig. 13. Fluxgatae detector actual picture.

B. Rotor position detection of Printed PMSM

Position detection method based on rotor leakage
flux is based on a laboratory-designed Printed PMSM.
The main magnetic flux direction of motor is axial, and
leakage magnetic flux direction of rotor permanent
magnet is almost radial. It can be seen from Fig. 6 that
the radial magnetic field strength at the circumference of
motor stator is about 0.002T, and the magnetic field
intensity exceeds designed detection range of fluxgate
detector. Therefore, fluxgate detector needs to be
installed at a circumference larger than stator radius.
Two fluxgate detectors are tangentially placed on the
stator of Printed PMSM, as shown in Fig. 14. The motor
is a four-pole motor, so two fluxgate detectors are placed
with an angular difference of 22.5°. It can be seen that
two fluxgate detectors are placed at the end of motor,
which is convenient for installation and maintenance,
and does not affect the internal structure of motor.

The Printed PMSM designed by laboratory is rough,
the air gap length is about 1cm, and this is too large,
resulting in uneven air gap. There are only 4 turns per
phase winding in motor stator and no stator core. So, the
inductance is very small, about 7.8uH, which is difficult
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to control. In order to facilitate the control, a 1.5mH
compensation inductor is connected to each three-phase
stator winding of motor in the experiment.
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Fig. 15. (a) Output waveform of fluxgate hardware
circuit, and (b) angle solving.

When motor is in driving mode and its speed is
500 rpm, waveforms of fluxgate hardware circuit output
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signals Vpn1 and Venz are as shown in Fig. 15 (a). In a
mechanical angular cycle, the amplitudes of Vpn1 and
Ven2 are deviated because the eight rotor permanent
magnets of motor have a certain positional deviation
during installation, resulting in a difference in flux
leakage distribution of four pairs of permanent magnets.
Save oscilloscope data and perform signal processing in
MATLAB. Then normalize the amplitude of signal and
remove DC offset, and solve angle using atan2 function.
The result is shown in Fig. 15 (b). Motor is in driving 0 40 30 120 160
mode, and stator winding is open, and there is no Time(ms)

influence of stator current. In this case, fluxgate sensor ()

can accurately identify the rotor position of motor by

detecting leakage flux of permanent magnet of motor, g 16. (a) Experiment platform, (b) Phase A motor

and the linearity of angle waveform is good. The motor  ¢rrent during VF no-load start-up, and (c) Phase A
rotor position detected by leakage flux detection method ¢ ,rrent in no-load motor.

is an electrical angle. When speed is 500 rpm, the
frequency of magnetic field change is four times that of
motor rotation.

Using VF control to start Printed PMSM with no
load, Phase A current ia of motor in no-load start-up
process and the operation state are shown in Figs. 16 (b)
and (c), respectively. No-load start-up current of motor
isabout 2.8A. The current amplitude after operation state
is about 1A, and the current waveform is distorted. Due
to the fact that motor production is rough, the air gap of
motor is too large and uneven, and harmonics are large,
which causes the current to be distorted.

Current ia(1A/iv)

Speed(300rpm/div)

Current(2A/div)

|
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Fig. 17. (a) Motor speed based on Hall sensor, (b) motor
speed based on fluxgate sensor, (c) iq reference and
feedback based on Hall control, (d) iq reference and
feedback based on fluxgate control, (e) output position
based on Hall control, and (f) output position based on
Hall control.

According to the above analysis, the Printed motor
laboratory designed causes distortion of current due to
manufacturing problems, and motor vibration and torque
ripple is large during operation. During the start-up
process of motor, the presence of starting current will
20 30 40 50 inevitably affect leakage flux distribution of rotor

Time(s) permanent magnet, thus increasing the difficulty of

(b) leakage flux detection. This section still takes id=0 motor

Current ia(1A/div)

o
[EEN
o



control experiment as an example. Motor is given a
speed of 450 rpm and runs at no-load. The motor control
experiment waveform based on Hall sensor and fluxgate
sensor is shown in Fig. 17. It can be seen from Figs. 17
(@) and (b) that in two sets of experiments, when motor
is in steady operation, speed feedback can track the given
speed well. Comparing Figs. 17 (e) and (f), in the two
sets of experiments, the linearity difference of output
angle waveform of fluxgate sensor is smaller than that of
Hall sensor. The reason is that manmade sensor is rough,
but it has the equivalent performance of a mature Hall
sensor. If fluxgate sensor is precision-produced, its
performance will exceed Hall sensor.

V1. CONCLUSION

In this paper, the structural characteristics of Printed
PMSM are briefly introduced. At the same time, the
basic control method and relevant parameters of PMSM
used in the experiment are given. In addition, in order to
verify the feasibility of detecting rotor position of Printed
PMSM based on leakage flux detection, this paper
simulates leakage flux distribution around the air gap
of Printed PMSM with different radius. The simulation
results show that the larger the radius, the smaller
leakage magnetic flux and the more complex harmonics
is. But fundamental frequency content is always high,
that is, the sinusoidally degree is good, which means it is
suitable for rotor position detection. In order to detect the
weak rotor leakage flux, this paper introduces fluxgate
technology, compares the advantages and disadvantages
of existing position sensors, and analyzes the influence
of motor system error on rotor position detection.
Finally, the fluxgate position sensor is designed and
fabricated, and it is used to drive Printed PMSM.
Feasibility of the method described in this paper is
verified by finishing the experiment using this sensor
to drive Printed PMSM. The rotor position detection
method proposed in this paper is based on the example
of Printed PMSM, but it is also applicable to rotor
position detection of most traditional PMSM, which
means it has good reference value for integrated design
of PMSM.
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