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A Compact Finite-Difference Frequency-Domain Method for Analysis of
Microwave Transmission Lines with Rough Surface

Binke Huang and Xubing Wang

Department of Information and Telecommunication Engineering
Xi’an Jiaotong University, Xi’an 710049, China
bkhuang@mail xjtu.edu.cn

Abstract — Accurate modeling of microwave
transmission lines is very important in microwave
communication and radar systems, especially at high
frequencies. A compact finite-difference frequency-
domain method (FDFD) is presented to analyze the
propagation characteristics of microwave transmission
lines with rough conductor surface. Equations in the
Maxwell system are discretized with difference method
in the cross-section of the microwave transmission line,
and rough surface of microwave transmission lines is
replaced by complex surface impedance from the
conductivity Gradient Model. The eigen equations of
the electromagnetic field components are formed and
solved to obtain the propagation constants for a given
frequency. The presented method reduces the computer
storage effectively in ensuring simulation accuracy
without the direct modeling for surface roughness, which
can be applied in the modeling of complex microwave
circuits.

Index Terms — Conductor surface roughness, Finite-
Difference  Frequency-Domain  (FDFD), surface
impedance boundary conditions, transmission lines.

I. INTRODUCTION

The surface roughness is necessary in manufacture
to add the adhesion between the conductor trace and
dielectric substrate for planar transmission lines, which
will increase transmission loss further. Therefore,
accurate characterization the effect of surface roughness
in microwave transmission lines is beneficial in analysis
and design of microwave circuits, in particular at high
frequencies, such as in millimeter waves.

In 1993, Detlev Hollmann computed the transmission
loss in full-waves with finite-difference time-domain
(FDTD) method [1], and the conductor loss as well as the
loss from the conductor rough surface are considered.
The FDTD approaches required large memory space and
high CPU time, and the phase constants need to be set as
an input parameter and the eigen frequencies of interest
need to be found via discrete Fourier transform. A 2-D
full-wave finite-difference frequency-domain (FDFD)
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method combined with the surface impedance boundary
condition has been applied for the analysis of dispersion
characteristics of lossy metal waveguides [2],[3]. For
quasi-TEM applications to a wide variety of transmission
line structures, a FDFD solver provides an efficient
solution for conductor current distributions involving
both skin effect and proximity effect [4]. However, all
the six field components need to be calculated to yield
an eigenvalue equation. Other than the FDFD method
which uses a six field matrix, the compact 2-D full-wave
finite-difference frequency-domain method is much
more efficient to calculate the propagation constants of
microwave transmission lines [5],[6], which only involves
four transverse field components.

A compact 2-D finite difference frequency domain
with surface impedance boundary condition has been
applied to analyze the propagation characteristics of
surface smooth conductor with finite conductivity
[71,[8], however, the propagation characteristics of
microwave transmission line with rough surface has not
been demonstrated accurately yet. In this paper, a
compact finite-difference frequency-domain approach
combined with a complex surface impedance of the
conductivity Gradient Model is presented to analyze the
propagation characteristics of waveguide and microstrip
line with rough conductor surfaces.

Il. THEORIES

A. Surface impedance for rough surface

For a rough surface in y-z-plane, a continuous
transition of macroscopic conductivity o(x) from 0 to
onuik perpendicular to the surface can be utilized to model
surface roughness in the Gradient Model [9]. Taking this
Gradient Model approach, the field distributions and the
skin effect in rough conductor surfaces can be deduced
from Maxwell’s equation with the location dependent
conductivity, and this results in a differential equation
in one dimension for magnetic field component By(x)
only [10]. Without loss of generality, the solution for
the magnetic field By distribution for a given RMS-
roughness Rq=1pm and a frequency f=1GHz is shown in
Fig. 1 in comparison to the magnetic field for an ideally

1054-4887 © ACES
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smooth surface at position x=0. Moreover, the current
density distribution J,(x) can be calculated from By(x)
using Ampeére’s law. The magnitude of the current
density for a rough surface and a perfect smooth surface
are also shown in Fig. 1. The current density shows an
abrupt step to its maximum value and declines in the
conductor for a smooth surface, while the current density
for a rough surface delivers a smooth response between
dielectric and conductor [11].

1

Conductivity profile
|B|: Smooth surface |
|B|: Rough surface

— — —|J|: Smooth surface
|J|: Rough surface

0.8 r

0.6

0.4 r

0.2r

Normalized magnetic field and current density

2 4 6 8 10 12 14
Depth [uml

Fig. 1. Magnitude of magnetic field and current density
for an ideal smooth surface and a rough surface.

The surface impedance with smooth non-ideal
conductor is [12]:

7 E l+]

=R + jX, =—y, —
smooth J ﬂo By 05
where o and ¢ are the intrinsic conductivity and skin-
effect depth, respectively. We can see from (1) that

X, =R, for conductors with smooth surface, as By and

J; show the same x-dependency in Fig. 1.
For conductor with rough surface, however, real and
imaginary part will not be equal ( X, #R,), as By and J,

do not show the same x-dependency (Fig. 1). The ratio
of E; and By in (1) must therefore be expressed by the
responses of By and J; obtained with the conductivity
Gradient Model [11].

With the Maxwell equations, we have:

(VxE), = aaEXZ =—joB, >E, = jwj B,dx, (2)

1)

_ 0B,
(VxB), =—r=md, > B, =sm[dox (3

The surface impedance for conductor with rough
surface can be derived directly [11]:

B IB dx
oo jJ dx

Figure 2 shows typical frequency responses of its
real and imaginary part in comparison to those of a

z

(4)
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smooth surface.

1.2
Re(Zrough)

) T _Im(zrough)
;. Re(zsmooth)=|m(zsmooth)
© 08
c
©
?
2 0.6
E
S
& 04r
=}
n

0.2

O L L L
0 10 20 30 40

Frequency [GHZz]

Fig. 2. Real and imaginary part of the surface impedance
of copper for a rough surface with lJum RMS-roughness
and a smooth surface.

With a series derivation for By and J; [13], the
surface impedance condition with rough conductor
surface can be obtained, which can be convenient
incorporated into conductor boundary condition in the
FDFD method to characterize the effects of rough
surface for microwave transmission lines.

B. A compact 2-D full-wave finite-difference frequency-
domain method

Inside the transmission lines, the transverse field
components can be expressed by eliminating the
longitudinal components from the Maxwell curl discrete
equation as follows [5]:

—jZEx(i,j)

= kAA ——I[H, G, j-D]-H,(+L j-D)—-H, (G, j)+H,(+1 j)]

)H @, J)+ > H,(i+1 ),

(5a)

1
zisz (i-1j))+@-

—j{Ey(i,j)

=m[Hy(l—l, DI-H, (-1 j+D)-H, @, j)+H, 3 j+1)]

gt P D= G DH, D) HL D,
(5b)

I H D)

ey B0 L DI-EG-Li+D €, D +E.,+]

e E L )= B D) - e E, (41 ),

(5¢)



~JiH, ()
= kAlA [E,(, i-DI-E,(i+Lj-D-E,( j)+E,(i+1 j)]
k Ay ——E G, j-D)+@1- )E (i, ))+——=E(,j+1),
(5d)

where y is the propagation constant and k is the wave
number in the free space, Ax and Ay are the mesh sizes
in X- and y-direction, respectively.

Equation (5) shows that one component of E (or
H) field can be represented by seven components of
neighbor H (or E) field. Equation (5) is not applicable
to deal the components on the non-ideal conductor
boundary. The fields on the boundary must be computed
with special boundary conditions.

Considering the finite conductivity of non-ideal
conductor, the relationship between the tangential
electric field and the tangential magnetic field on the
boundary is related with the surface impedance boundary
conditions (SIBCs):

Epy = ZAx Hy, (6)

For conductor Wlth smooth surface, the surface
impedance Zs is determined through formula (1). If
at high frequencies, the conductor surface roughness
need to be considered, the surface impedance for rough
surfaces can be calculated with formula (4).

With the SIBCs and eliminating the longitudinal
components from the applied Maxwell discrete equations,
as shown in Fig. 3 (a), Ex (i, ]), Ey (i,j) and Hy (i, j) on the
lower boundary satisfy the following formula:

—j—E (i, 1)—j ZS H L1, - ZS H,(i+11)
kAx

(7a)
H, (.- 117 H, 612
—jZEy(i,l)
kAy kA2>H (D+ yH(uz) (7b)
—WleyHy(i—l,ZHﬁxyHy(i,Z),
~JTH, D= m[—J—H i.2].  (70)

In Fig. 3 (b), applying the SIBC on the left boundary
with the non-ideal conductor, we have:

Ly .
—-1=E, (1,
I M)
-l H@i-p-— 1t H@i) (82)
kAxay kZAxAy
1 ]
+(1_|(2AX2 ( J)+ zAzHy(z!J)v
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Ly . . Z N 2 .
-J=E,L])=-] H@j)+] H, (2 ])
k kAX KA (8h)

H, @)+ ] ZSyH L j+1),

—-jZ, 4 .
m[ K Hx(zl )IB (8c)

kA
—J—H( =

R0
*H‘V(I,Z)
| 'E(1,2)
AE, (i 1 A

\ *

H,(i-12)

_>
H, (i +1,1)

! Ex(i,l)

T HL(2.))
+H1(2-.})
)

A
_»
Hx(zrj_l)

conductor

(b)

Fig. 3. Transverse field components on boundary surface:
(a) Ex, Ey, and Hy on lower boundary, and (b) Ey, Ey, and
Hx on left boundary.

Similarly, the field components on the top boundary
and the right boundary can be obtained by applying the
SIBCs directly.

From the equations for inner nodes and surface
nodes, we can conclude an eigenvalue problem as:

[Al[X]=A[x], ©)

where [X]=[E,,E,,H,,H T lﬂ__j%:ﬂ—kja 8
is the phase constant, and « is the attenuation constant

caused by the mental loss. [A] is a sparse coefficient matrix,

and the eigen solution of [A] delivers the propagation
constant.
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111. NUMERICAL RESULTS
In this section, a waveguide and a shielded
microstrip line are provided to illustrate the efficiency of
the proposed method.

A. Waveguide

With the FDFD method, the propagation constants
for waveguide in different frequencies can be obtained.
The waveguide is an empty rectangular copper waveguide
with the size of axb=19.05mmx9mm, and with the
conductivity ¢=5.8x107S/m. The computational domain
for the cross section of waveguide comprises a grid of
10x5 cells in the FDFD simulation. The computed results
of propagation constant for TEi mode of waveguide
with smooth surface are compared with the analytical
perturbation method [12] with good correction as shown
in Fig. 4.

0.14
*  Smooth (Analytical)
012 + Smooth (FDFD)
R,=0.5um (FDFD)
017 R, =0.75um (FDFD)
F'E 0.08 +Rq=1um (FDFD)
M
2.0.06
0.04
0.02
0 1 L L L
0 10 20 30 40 50
Frequency [GHZz]
(a)
1200 T T
*  Smooth (Analytical)
1000 F Smooth (FDFD) 2

R,=0.5um (FDFD)

800 | —¢ Ry=0.75um (FDFD)

' —e—R_=1um (FDFD)
T 600
x
= 400}

200

0 1 L L I
0 10 20 30 40 50
Frequency [GHz]
(b)

Fig. 4. The propagation of waveguide considering
conductor surface roughness: (a) attenuation constant,
and (b) phase constant.
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As shown in Fig. 4 (a), under other parameters
invariably, attenuation constant tends to 0 when the
frequency is below cutoff frequency, and as the frequency
increases, attenuation constant keeps decreasing in the
cutoff region when f tends to fmin [14]. The surface
impedance is dominant when f>fiin, S0 attenuation constant
increases as frequency increases. Under other parameters
invariably, the attenuation constant monotonically rises
as the surface roughness increases in Fig. 4 (a). As shown
in Fig. 4 (b), the differences between phase constants of
waveguide with smooth surface and roughness surface
are negligible.

B. Shielded microstrip line

Consider a shielded microstrip line as defined in Fig.
5 with a trace width w=3.81mm on top of a dielectric
layer with &=2.2, tand=0, and the height h=2.7mm. The
conductor of trace and ground plane is with a conductivity
0=5.8x107S/m and the thickness is negligible. The width
and height for the shielded metallic box are a=9.525mm
and b=4.5mm, respectively. The cross section of the
shielded microstrip line is meshed with total 10x5 cells
in the FDFD simulation. The computed results obtained
by our proposed method are given in Fig. 6. Numerical
results of propagation constant of microstrip line with
smooth surface are compared with the results of CST
Microwave Studio and a good agreement is achieved.
Under other parameters invariably, the attenuation
constant monotonically rises as the frequency increases
in Fig. 6 (a), and the roughness of surface increases from
0 to 1um, the value of attenuation constants increase,
especially at higher frequencies. As shown in Fig. 6 (b),
the differences between phase constant of shielded
microstrip with line smooth surface and roughness
surfaces are too small to be distinguished.

!

signal strigA W

round plane
g { p

dielectric layer: &35,

<-:r->|

< a >

Fig. 5. The cross section of a shielded microstrip line.

Compared to the 2-D FDFD with six components in
[3], the dimension of the coefficient matrix [A] in (9) is
reduced to two thirds, because only four transverse field
components are contained in the compact 2-D FDFD.
The comparison of efficiency in calculation the
propagation constants for the shielded microstrip line
[Fig. 5] are shown in Table 1. The calculations are carried
out on Intel (R) 17 2.7GHz laptop using Matlab R2017b.



We can see that the CPU time can be reduced considerably
as compared to the case in which six field components
are comprised, since the cutting down order of the
coefficient matrix largely for solving the eigenvalue

problem in the proposed method.

0.16 , :
*  Smooth (CST)
0.14 Smooth (FDFD)
— R =0.5um (FDFD)
q
012 —o—R_=0.75um (FDFD)

— o1} —=—R_=1um (FDFD) -
' q/—ooo'
5 0.08 - 2o
2 e

2
©0.06 | P
NOUOUOCW
0.04 f o
0.02 F g8
0 . ‘ . . ‘
0 5 10 15 20 25 30
Frequency [GHZz]
(@)
800 , - \
# Smooth (CST)
Smooth (FDFD)
600l —° Ry05um (FDFD)
—o—R,=0.75um (FDFD)
ol — &R =1um (FDFD)
e q
T 400 |
X
)
200
O L 1 L L 1
0 5 10 15 20 25 30
Frequency [GHZz]

(b)

Fig. 6. The propagation of a shielded microstrip line
considering conductor surface roughness: (a) attenuation

constant, and (b) phase constant.

Table 1: Comparison of this method and the method in

[3] for the second example

This Method | Method in [3]
Dimension of matrix 236 354
Number of non-zero 1222 333
elements
CPU time (s) 1.54 6.40

IV. CONCLUSION

In the paper, a compact 2D full-wave FDFD method
combined with complex surface impedance of the
conductivity Gradient Model has been applied for the
dispersion characteristics of microwave transmission

HUANG, WANG: A COMPACT FDFD METHOD FOR ANALYSIS OF MICROWAVE TRANSMISSION LINES

lines with roughness surface. Accurate results of
attenuation constants and phase constants of waveguide
and shielded microstrip line with roughness surface
have been obtained by using the proposed method. The
proposed method will be a powerful tool to calculate the

propagation constants for microwave

transmission lines

with roughness surface, especially at high frequencies.
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Abstract — In this letter, a dual-passband frequency
selective surface (FSS) at Wi-Fi operation bands is
presented. The proposed structure is implemented by
two-dimensional periodic array of double square slots on
single dielectric layer, which can be used to isolate the
intensive care rooms of hospitals from insignificant
signals, but supports Wi-Fi features, enabling doctors
to acquire the patients’ health condition at any time.
The design procedure is based on the equivalent circuit
method (ECM) combined with the genetic algorithm
(GA) curve-fitting, which aims at providing the initial
dimension parameters of FSS. Ultimately, the calculated
results from the ECM are compared with the numerical
results of the HFSS optimization, and the measured
frequency response of the fabricated FSS covers all the
Wi-Fi frequency bands, which verify the reliability of
this design.

Index Terms — Equivalent circuit method, frequency
selective surface, genetic algorithm, Wi-Fi.

I. INTRODUCTION

Nowadays, Wi-Fi has brought mobility and flexibility
to our lives by different kinds of wireless devices. For
example, the devices in Intensive Care Units (ICUs) of
hospital use Wi-Fi to support the communication of the
patients’ health condition to doctors outside the rooms
[1]. However, the distraction of other insignificant
signals should be isolated from the rooms to minimize
the impact on the precision equipment.

Frequency selective surfaces (FSSs) have been an
important subject for their widespread applications as
spatial filters for decades of years [2]. The feature of
transmission at resonant frequency allows FSS to perform
like a bandpass filter in Wi-Fi applications to improve
transmission of RF/MW signals through shell [3-5].
Motivated by the ICUs’ requirement, the bandpass FSS
designed in this paper is applied as the shielding screen
between ICUs and the outside world to isolate the rooms
from the impact of insignificant signals, yet to allow Wi-
Fi frequencies to pass through. According to the standard
of IEEE 802.11n, the frequency band of the fourth
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generation Wi-Fi contains two parts: 2.4 GHz - 2.4835 GHz,
and 5.15 GHz - 5.850 GHz. It is important to guarantee
the transmission of electromagnetic (EM) wave at these
two bands in the screen design.

Commonly, the design of FSS mainly relies on the
full-wave numerical software [6-8], and the parametric
sweep is an indispensable process. However, although
the numerical simulations yield accurate frequency
response for a given FSS structure, they cannot provide
adequate information of how to start an FSS design and
how to initialize the geometrical sizes of the design to
fulfill the expected frequency response in a general form.
In this letter, the equivalent circuit method is introduced
to provide the initial design parameters of an FSS from
the desired frequency response. For the dual-band design
in Wi-Fi bands, we use the periodic elements of square
slot (SS) and square loop (SL) [9], whose surface
impedances in both the normal- and oblique-incidence
situations [10-13] are studied in detail, to present band-
pass and band-stop performances. In the synthesizing
process [14, 15], equivalent circuit (EC) parameters and
then the geometrical sizes of the structure can be obtained
from a few typical S-parameter (S11/S21) samplings of the
desired response curves via the genetic algorithm (GA)
curve-fitting technique [16-18].

Ultimately, the dual-passband FSS designed by
ECM, works well at Wi-Fi bands with the stability for
different incident angles. Compared with the existing
structure [1, 3-5, 19], this design has a simple structure
and covers all the Wi-Fi operation frequency bands
at normal and oblique incidence. For the sake of
demonstration, a prototype of the FSS was fabricated and
measured.

I1. STRUCTURE DESCRIPTION AND
OPERATING PRINCIPLES

A. Structure description

As mentioned in [2], the FSS composed of the SS
elements is a bandpass filter. To obtain the two
passbands for Wi-Fi application, the structure of double
square slots can be chosen to construct the desired FSS.
Figure 1 (a) shows the geometrical structure of this single-

1054-4887 © ACES
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layer FSS element. The metal part is printed on the top
side of support dielectric medium whose thickness is d
(the relative permittivity is &, and the length of period
element period is D). The length of the larger loop is /;,
and the width is w;. The length of the smaller loop is I,
and the width is w.

(b)

Fig. 1. (a) The element of double square slots FSS (dual-
passhand), and (b) the element of double square loops FSS
(dual-stopband). The structure in (b) is complementary
to the structure in (a). The metal part is orange in color.

B. Design procedure

To determine the dimensions of the proposed
structure, the design procedure contains:

Step 1. Obtain the equivalent circuit model of the

FSS;

Step 2. Derive the impedance of metal layer;

Step 3. Build the transmission matrix based on the

transmission line principle;

Step 4. Synthesize the EC parameters and then the

geometrical sizes of the structure from a few typical

S-parameter (S11/S21) samplings of the desired

response curves via GA curve-fitting process;

Step 5. Optimize the FSS parameters based on the

ECM data.

In step 1, it’s difficult to judge whether the
equivalent circuit of two square slots in Fig. 1 (a) are
serial or parallel connected. However, the complementary
structure of slots - double square loops (see Fig. 1 (b))
whose frequency response is dual stopband, has been
studied in [20, 21], and its equivalent circuit is shown in
Fig. 2, where the slots between loops present equivalent
capacitance, and the strips represent the inductance. So,
there are two serial LC resonators (L1 - C; and Lz - Cy)
in the patch structure. Consequently, in this letter, we
choose to pay attention to the square loops first, to
simplify the equivalent circuit model. Later, using the
Babinet’s principle, it is easy to obtain the impedance of
slots structure.

In step 2, as mentioned above, to obtain the
impedance of the double square slots FSS layer, we
should achieve the impedance of its complementary
structure (SL). As shown in Fig. 2, the impedance of the
patch FSS in different polarization can be depicted as:

Zy = (job, +1/ joC) || (job, +1/ joC,) 1 &, (1)

zy' =(joLy +1/ joC) || (joL, +1/ jaC,),  (2)
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where, &=1-sin’0/2¢,, is the influence factor of the

incident angle 6 [10]. Based on the equations in [10, 22],
the circuit parameters in Fig. 2 can be derived as:

Holy i W

=222 In(@/sin=2), 3

h 2z ( 2D )

C, =&,6. %Illn[llsinM], @
ol i TW,

=222 1n(1/sin , 5

L 2z ( ZD) ©)

C, = ey 2inf1/sin =L =272, - )

T 2D

the geometrical parameters are determined in Fig. 1, and
&0 and uo are the electromagnetic parameters of free space.
The effective permittivity e of single layer FSS here is
defined as:

g, = 8’2_1exp[(—700d)3], )
where, d and & are the thickness and permittivity of the
dielectric medium.

Then, applying the Babinet’s principle:

2

zizl = ©
772

2325 ==, (©)

where 7,4 =,[yo I (g, ) 1S the effective wave impedance,
we can obtain the impedance of double square slots

TE,TM
Z .

C 2C>
B | e —— | n 5
|
L, T T d
" * - Za

2C,
Fig. 2. The equivalent circuit of double square loops FSS.

In step 3, the medium below the metal patches can
be regarded as a short transmission line in the circuit. So,
the analytical transmission coefficients Sy for TE/TM
polarization can be obtained from [23]:

2
S, = , 10
2 (A+B/ZE™)+(ZF™C +D) (10)
ZJF =2Z,/cos(0),2;" =Z,cos(0), (11)
where, Z; is the intrinsic wave impedance in free space.
According to the equivalent circuit shown in Fig. 2, the

ABCD matrix can be written as the product of two
cascade matrices:




A B 1 0| cosh(j4,)
C D] [1/ZE™ 1]|Y,sinh(j6)

where the parameters are as follows,
Z[F = op 1 2" = B, | wgge,
Y, =1/2,,6, = pd,

B, =k =Kk =k;sin(@).k =k [ . (13)

where k; is the transverse vector, ki is the propagation
constant in the substrate, and ko is the wave number in
free space.

In step 4, we determine the dielectric substrate has a
thickness of 1.27 mm and the relative permittivity of 2.2.
To synthesize the unknown geometrical parameters: |,
ws, l2, Wz, and D, we apply the GA curve-fitting method
on the samplings from the desired S» curve. Here,
several sampling frequencies and the corresponding
values of |Syi| are listed in Table 1, which manifest the
main property of the dual passhands. In this method, to
ensure the good transmission properties of the FSS in
different incident angles and different polarizations, we
introduce different weighting factors to the adaptive
function:

n=>"3">w, (WS IE™ | (m, n) - s ()]}, (14)

r=1m=1n=1

where, r indicates the TE and TM polarization, m
indicates the number of frequency points, and n indicates
the number of angle points. W™ s the weighting
factor of TE/TM polarization, and W, is the weighting
factor of different incident angles. |S;7™|(m,n) is
the magnitude of transmission coefficients at different
frequencies and angles, which has been derived in step.
3, and |s9;|(m) is the sampling points from the desired
|S21| curve at different frequencies (in Table 1).

leinh(_jel)} 12)
cosh(j6,)

Table 1: Samples from the desired frequency response of
|Szu
Sampling
Frequencies | 1.0 24 25 4.0 5.1
(GH2)
|S94| (dB) -50 | -05 | 05 | -15 | -05
Sampling
Frequencies | 5.3 55 5.7 5.9
(GH2)
|$9,| (dB) 0 0 0 -0.5

In this design, we define: W& =W™ =1 (ensure the
property for both TE and TM polarization), W, = 1
(0 < 45%) and W, = 0.1 (0 > 45") (ensure the property
of oblique incidence 6 = 0~45°). In the GA algorithm,
FSS structural parameters are chosen as the parameters
to be optimized, and seaching ranges are set to be:
15 mm<I, <, <D <30 mm,0.1 mm<w, , <3 mm. Also

the stopping criteria of GA is defined [24, 25]: the
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population size is 100, the number of max generations is
100, the number of stall generations is 50, the crossover
fraction is 0.75, and the function tolerance is 1e-6. Using
the GA optimization to minimize the adaptive function
(14), the optimal unknown geometrical parameters can
be obtained (see Table 2).

Table 2: Geometrical parameters calculated by the ECM
and HFSS

I1 W1 I2 W2 D
(mm) | (mm) | (mm) | (mm) | (mm)

Optimal
Values by
ECM and

GA

Optimal

Values by
HFSS’
Parameter-
Sweep

235 | 15 | 166 | 23 | 246

240 | 1.0 | 170 | 28 | 250

Then in step 5, the ECM data achieved from step 4
are used as the initial values in the parameter-sweep
process in the ANSYS HFSS for fine tuning. The
optimization results are compared with the ECM data
in Table 2. It can be seen that the ECM data are close
to the optimized structure dimensions, which will save
lots of time for starting an FSS design. In addition, the
effect of different dimension parameters can be easily
achieved from the ECM equations, which offers many
conveniences to the HFSS optimization. Based on this
principle, it can be obtained that increasing the parameter
w, properly will achieve the wide band in 5.15 GHz -
5.850 GHz.

I11. SIMULATION AND EXPERIMENTAL
VERIFICATION

A. ECM results and simulated results

Here, the optimization range of incident angle is
0°~45° as defined in step 4. Based on the analysis in
Section 11, the computed transmission coefficient |Sy]
(6 =0’ and 45°) with the structure sizes obtained by ECM
is plotted in Fig. 3 (a), compared with the sampling
points in Table 1. It’s seen that the resonant frequencies
of the response are close to the desired sampling points,
which means the results of ECM almost presents the
expected dual bands response.

The simulated |Sy| (6 = 0" and 45°) from HFSS with
the optimization sizes in Table 2 from step 5 is shown
in Fig. 3 (b), as well as the results of TE- and TM-
polarization. The results in Fig. 3 (b) present that the FSS
we design can guarantee the transmission of EM wave
(transmission efficiency is more than 80%) even the
incident angle is up to 45" in both Wi-Fi bands: 2.4 GHz
- 2.4835 GHz, and 5.15 GHz - 5.850 GHz. In addition,
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the optimal values by HFSS are in close proximity to the
calculated sizes given by the proposed ECM. The good
simulated results indicate this design of FSS is qualified

to the Wi-Fi application.
7

o~
RN

-10
® sampling points
\ —s—ECM 6=0°
—a— ECM 0=45°TE-pol | |
—o— ECM 0=45"TM-pol
3 4 5 6 7
Frequency (GHz)

(@)
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S,,! (@B)

-30

[
N

IS,,AdB)

—s— HFSS 6=0°

.| ——HFSS 6=45°TE-pol |

—o—HFSS 9=45I°TM-poI

1 2 3 4 5 6 7
Frequency (GHz)

(b)

Fig. 3. (2) |S21| of FSS with the synthesized sizes by ECM
calculation, and (b) |Szi| of the FSS with optimal sizes
fine-tuned by HFSS simulations.

-40

Fig. 4. The top view photo of the fabricated FSS.
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Fig. 5. Measured results compared with the calculated
results from ECM and HFSS: (a) |Sz| of normal
incidence, (b) |S21| of oblique incidence 8 = 45° for TE-
polarization, and (c) |S.:| of oblique incidence 8 = 45° for
TM-polarization.

B. Experimental verification

To validate the performance of the proposed FSS, a
proto-type is fabricated and measured. The prototype is
fabricated on Arlon DiClad 880 dielectric substrate (see
Fig. 4), of which the permittivity is 2.2, loss tangent is



0.0009, and the thickness is 1.27 mm. The dimensions of
FSS elements follow the final optimized data by HFSS
in Table 2. The physical dimensions of the FSS arrays are
30.00 cm x 30.00 cm, which means the number of elements
is 12 x 12. Then, the measurement was performed with
the setup consisting of two broadband horn antennas
for transmitting and receiving EM wave, respectively.
During the measurement of the transmission coefficient
of the FSS, we first need to measure the |S21| between the
horn antennas without the FSS as the calibration data,
and then we measure again the |Szi| between the two
horns when the FSS under test is present. Finally, the [Sz|
of the FSS itself is obtained by normalizing the [Sz|
measured in the second time to the calibration data.

Limited by the experiment conditions, the
measurement starts from the frequency of 2 GHz to
7 GHz. The measured results of |Sz1| are compared with
the numerical results by ECM and HFSS using the
same structure parameters in Fig. 5, when the angle
and polarization of incidence varies. As can be seen, the
measured results agree well with the simulated ones from
HFSS, indicating two passbands: 2.4 GHz - 2.4835 GHz,
and 5.15 GHz - 5.850 GHz, with |Sx»| > -1.5 dB, and a
stopband at 3.6 GHz, with |Sz1| < -15 dB. In addition, the
FSS works stably when the angle of incidence increases
up to 45°. At the same time, it is found in Fig. 5 that the
measured frequency responses have small ripples over the
frequency range, which is possibly caused by truncation
and assembly errors between the transmit and receive
antennas. As well, ECM results show similar properties
except for a slight difference, which is caused by the
accuracy of the equivalent circuit formulations is less
than the full-wave simulation, and we’ll improve it in our
future work. Nevertheless, the fabricated prototype meets
the desired requirements quite well, which indicates that
the proposed design procedure using ECM is feasible
and effective.

1V. CONCLUSION

This letter proposes a dual-passband single-layer
FSS based on the classic structure of double square
slots used in the ICUs to allow the Wi-Fi signals to
pass through, and to isolate the insignificant signals.
The design procedure applies the method of equivalent
circuit and genetic algorithm to determine the FSS’s
geometrical parameters. To reduce the difficulty in
analyzing slots structure, we put forward the approach of
introducing complementary structure and obtaining the
impedance of slots by Babinet’s principle afterwards.
The synthesized geometrical sizes given by the proposed
ECM are in close proximity to the optimized values by
HFSS, which means the ECM is qualified to start an FSS
design. This design method provides a convenient way
to realize the dimension estimation of the desired FSS,
which will save much time in the design process.

XU, HE: A DESIGN METHOD FOR SYNTHESIZING A DUAL-PASSBAND FSS

Besides, the measured results of fabrication cover all the
Wi-Fi working bands both in normal- and oblique-
incidence situation, which validate the reliability of this
design method.
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Abstract — An accurate integral equation method based
on quasi-static relationship (QSR), thin dielectric sheet
(TDS) method and high-order hierarchical Legendre
(HOHL) basis function is proposed in this paper for fast
analysis of microstrip antennas radiation problems. This
technique employs the QSR of the current on the parallel
plate capacitor to describe the field continuity boundary
condition and to embody the tight coupling between
the radiation patch, the ground plane and the substrate
of microstrip antenna. The frequency offset problem
of conventional VSIE can be effectively eliminated.
Moreover, combined with the TDS and the HOHL basis
function, the proposed model can provide high accuracy
in input impedance and far-field performance with
faster convergence speed and lower computational cost.
Numerical results are presented to show the accuracy and
efficiency of the proposed method.

Index Terms — Microstrip antenna and array, numerical
modelling, radiation analysis, quasi-static relationship,
thin dielectric sheet method.

I. INTRODUCTION

Integral equation methods (IEM) and their numerical
solutions have been widely used for simulating
electromagnetic scattering and radiation problems [1-
3]. However, when IEMs are used for modelling the
radiation performance of metal-dielectric composite
structures (microstrip patch antennas, for example), the
number of the unknowns to be solved, iteration
convergence and the accuracy of the solution are still
challenging due to complex excitations, multi-scale
structures and strong mutual coupling. Uniform plane
wave is commonly employed as the excitation condition
for the scattering target. Conversely, a forced voltage
or current is typically used as the excitation at the feed
port of the radiation problem, resulting in a strong and
complex field distribution near the feed port. Due to the
complex field distribution and strong mutual coupling,
the modelling of radiation problems is more difficult
than scattering problems. Therefore, constraint conditions
describing the physical mechanisms of radiation structures
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may be very helpful for efficient modelling of radiation
problems.

The volume-surface integral equation (VSIE) [1,4]
is particularly convenient for modelling microstrip
antennas because it is more accurate for modelling the
thin dielectric, corners and edges than the commonly
used surface integral equation (SIE) [5]. However, the
traditional VSIE numerical solution has two major
drawbacks that prevent its application to the radiation
analysis of microstrip antennas. First, the convergence is
very slow, and a significant shifting of the resonant
frequency can be observed in the numerical solution. In
addition, most existing VSIE models apply low-order
and sub-domain basis functions to expand the unknown
current [6-9], and geometrically model the detailed
structure of the antenna by means of many electrically
small elements to match the structure precisely, all
leading to a large number of unknowns and huge
computational costs, especially for antenna arrays.

Makarov et al. [6] first proposed that the failure
description of the boundary condition on the interface
between metal and dielectric is the main reason for the
resonant frequency shifting problem of the VSIE model.
They enforced an explicit boundary condition for the
volume bases in contact with the metal surface to address
this issue successfully. According to this idea, Zhang et
al. [8] proposed a new hybrid basis function to explicitly
enforce the boundary condition at the interface. A coupled
surface-volume integral equation approach proposed by
Lu and Chew [3] used the current continuity equation
A-D=V-J, /iw as a boundary condition to formulate

the relationship between the current J, on the metal side

of the interface and the electric flux density D on the
dielectric side. This formulation is valid for composite
objects with three-dimensional metal body. However, it
may not be accurate for the metal sheet with “zero-
thickness”, such as the antenna patch and its ground
plane.

To reduce the number of unknowns and memory
requirements, Cai [10] used curved tetrahedral/triangular
elements for geometric modelling and the higher order
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hierarchical vector basis functions for the wvolume/
surface current modelling. The entire domain basis
function with high-precision edge condition has been
used in [11] to represent the surface current distribution
on the patch to reduce computational requirements
and achieve the fast analysis of microstrip antennas.
However, it is not convenient for the analysis of strongly
coupled environments, such as arrays. Thin dielectric
sheet (TDS) approximation is also an effective and
reliable method for reducing unknowns when VSIE is
used to deal with thin dielectric problems [12-14]. The
coupled PEC-TDS approach proposed in [13] has been
used to analyze the radiation of the patch antenna, and
high efficiency has been observed. However, the total
number of unknowns is still large because this approach
is based on low-order basis functions, and the unknowns
for the volume are required.

In order to eliminate the frequency offset problem,
improve the convergence performance, and reduce
the unknowns simultaneously, an efficient numerical
technique based on the quasi-static relationship (QSR) of
the current on the parallel plate capacitor in conjunction
with TDS approach is proposed for the fast analysis
of radiation problems of microstrip antennas in this
work. QSR is employed to embody the tight coupling
properties and describe the current continuity condition
between two sides of the metal-dielectric interface,
thereby improving the accuracy of the numerical solution.
Besides, by combining the TDS approach with the QSR
formulation, the need to solve for D in the substrate is
removed. Therefore, the unknowns can be greatly
reduced and only exist on the metal surface. Moreover,
the unknowns can be further reduced by using higher
order hierarchical legendre (HOHL) basis function to
expand the current. Furthermore, since the direction of
HOHL basis function is consistent with the edge of
the patch, the edge singular current on the patch can be
well described, and the convergence property can be
significantly improved compared to the commonly used
RWG basis functions. In general, when dealing with the
radiation problems of microstrip patch antennas, arrays
and electrically large antennas, the new model proposed
in this work provides less error in resonant frequency
with fewer unknowns and faster convergence speed
compared with the traditional VSIE model.

1. FORMULATION
The following VSIE model is commonly used to
describe the electromagnetic properties of microstrip
patch antenna with a thin finite dielectric substrate as
shown in Fig. 1:
E'(N+E'(N],=0  (FeS) M
E'(N+E(N=E() (FeV),
where V is the dielectric volume, S denotes the metal
surface, E' represents the incident electric field due to
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the applied source and E® is the total scattered field.

«—Ground plane

Fig. 1. Microstrip patch antenna model.

The scattered field produced by the surface current
on the conducting patch J, and the equivalent volume
current in V are given by:

B (1) =Ty, [13,)+ YV (PG, (2
and S
E4.(1) =ik li02(F)B(F) + 2 VY- £(F)BEVB(E P,

3
respectively. Where D is the electric flux density in V
and 7, isthe wave impedance in free space. The contrast

ratio y is defined as y(r) =[&(F) —&,]/ &(F) . The harmonic

time convention e™ is adopted in this work.

In the above VSIE model, the metals and dielectrics
are considered to be independent of each other. Field
continuity boundary condition on the metal-dielectric
interface may not be satisfied if the commonly used
SWG basis functions are employed to expand the electric
flux density [6]. It may cause problems of resonant
frequency offset and poor convergence when it is used in
radiation analysis.

Based on the cavity model proposed by Lo [15],
the electric field within each volume element can be
assumed to have only one significant vertical component
for a microstrip patch antenna with a thin dielectric
substrate. In this work, the vertical component of the
electric flux density in substrate is described by the
surface currents at the top patch and the ground plane by
using the parallel plate capacitor QSR shown in Fig. 2.
The QSR formula [16] can be written as:

2L(V -J7 =V J7) between ground plane and patch
B = 2iw
n— 1 R '
22_—(V -J; —0) between ground plane and vacuum
1)
(4)
where J and J are the surface current density on

the metal radiation patch and the metal ground plane
respectively. In more detail, the electric flux density D
in the dielectric is modelled by the currents on the
radiation patch and the ground plane. Therefore, the field



continuity and the tight coupling between the radiation
patch, the ground plane and the substrate can be

described.

e A e

Fig. 2. Quasi-static electric field distribution in dielectric
substrate.

When the thickness of the substrate 7 is very small
compared to the wavelength, the volume integral in (3)
can be approximated by surface integral d,. ~zd, to
reduce the requirement of the computational resources,
according to the idea of TDS approach [17]. The
scattering field (3) introduced by the volume equivalent
current can be calculated by surface integral and can be
written as:

E; () = nkono{ [ i z(7)B,(M)G(F. ),

(5)
— 2 [AMD,("IVIG (1) ~G(r. 1), }

where S, is the middle surface between the top patch
and the ground plane as shown in Fig. 2, and
G, (r,r") =G(r,r +zA) . Combined with (4), equation (5)
can be further expressed as:

E;ie(r) = iko%{ J. z(r) -fi

S‘dS 2

-V JI1G(F, ),

j"(r)[v 3, -V-3:1-VIG_(F,F) - G(r,)]d, }
(6)

The above equation indicates that the field continuity
condition and tight coupling can be rigorously embedded
by expressing D in the substrate using the current on the
radiation patch and ground plane. Moreover, as the
unknowns only exist on the metal surface and no volume
unknown is required in this model, the number of total
unknowns can be significantly reduced. Since QSR and
TDS are used in this model, it is suitable for planar
microstrip antennas with thin dielectric substrates, and
may lose accuracy when processing conformal microstrip
antennas with high curvature.

RWG basis function is typically used in VSIE
method to expand the current on the metal surface. RWG
is a zeroth-order basis function, and the direction of the
basis function is perpendicular to the common side of the
adjacent elements. When the microstrip antenna operates
at the resonant frequency, there are two singular edge
currents parallel to the two edges of the radiating patch.
Therefore, the mesh size of the RWG basis function
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needs to be small enough to accurately describe the edge
current on the radiating patch, which results in a large
number of unknowns. In this work, HOHL basis function
[18] is used to describe the surface current because the
direction of the HOHL basis function is consistent with
the edge of the radiating patch, which can well describe
the singular edge currents on the radiating patch and
improve the convergence characteristics of the system.
In addition, the mesh size of the HOHL basis function is
always much larger than the RWG basis function,
therefore the unknowns and memory costs can be further
reduced. The HOHL basis function is defined as:
J,=J.a,+Ja, Y
where @, and &, are the co-variant unitary vectors. The
definition of u-directed current J! or v-directed current

J! can be found in [18].

I11. NUMERICAL RESULTS

A. Microstrip patch antenna radiation analysis
Consider a microstrip patch antenna excited by a

transmission line as shown in Fig. 3. A rectangular patch

is placed over a dielectric substrate with & =2.2. The

bottom plane of the substrate is covered by a finite ground
plane. Finite-width feeding model [19] is employed in
this section to improve convergence and accuracy. The
input impedance performances obtained by the proposed
approach and the VSIE model described in equation (1)
(discretized by RWG and SWG) are shown in Fig. 4 (a).
The Ansoft HFSS finite element (FEM) simulation results
are also given as a reference. A significant positive
frequency offset (about 3%) of the traditional VSIE
solution can be observed, which is consistent with the
result described in [6]. However, both the real and
imaginary part of the input impedance calculated by the
proposed approach over 7.0GHz to 9.0GHz are in good
agreement with the FEM solutions. Only a frequency
shift of 0.087% is observed, which indicates that the
frequency offset can be effectively eliminated by the
proposed approach. The comparison of the radiation gain
pattern at the phi=0° plane computed by the proposed
model and the FEM is shown in Fig. 4 (b). Although a
difference of 2dB exists in the back lobe of the pattern,
excellent agreement can be observed.

10.6mm

Fig. 3. The geometry of a microstrip patch antenna
working at X band.
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The computational details of both the proposed
approach and traditional VSIE model under the same
computing platform are listed in Table 1. For the VSIE
model, the patch antenna requires 499 triangles for
conductive plates and 1391 tetrahedrons for dielectric
substrate modelling, resulting in 3990 unknowns in
total. However, the proposed model consists of 34
quadrilateral elements and results in 238 unknowns in
total when 2 order HOHL basis functions are used. The
memory of the impedance matrix is reduced from
12.1MB to 0.43MB and the total CUP time is reduced
from 1185s to 27s. In addition, the convergence properties
of the proposed model and VSIE model are represented
by the red and black line, respectively, in Fig. 5. The
proposed approach converges much faster than the
traditional VSIE. Both equations are solved by the
GMRES iterative method and no preconditioned method
is employed. As a consequence, the proposed approach
provides higher accuracy and requires fewer computational
resources than traditional VSIE model, when analyzing
the radiation problem of the microstrip antenna.

300

Re(Zin)-FEM
Im(Zin)-FEM ‘A
2004 - -4~ -Re(Zin)-Pro Y e
4 - -Im(Zin)-Pro o X e
-® - Re(Zin)-VSIE 3 E
- 1004| - -® - -Im(Zin)-VSIE
£
<)
= >
] 04
1004,
-200 T T T v
7.0 7.5 8.0 8.5 9.0
Freq(GHz)
(@)
0
300
~ 164
E 24270
6
240
180
(b)
Fig. 4. Input impedance and far-field radiation

performance. (a) Comparison of the input impedance
calculated by FEM, VSIE and the proposed model. (b)
Comparison of the radiation patterns obtained by FEM
and proposed model at 7.75GHz, phi=0°.
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Table 1. Comparison of CPU time and memory
requirement of the proposed model and the traditional
model

Memory of Total
Uﬁ?nt:)evrvr?;c Impedance CPU
Matrix (MB) | Time (s)
Traditional
VSIE 3990 121.46 1184
Proposed 238 0.43 27
model

1

—a— VSIE
—®— Proposed

=)
1

Residual Errors

0.01 4

r T T T T T T T
10000 15000 20000 25000
Iterations

L] L L]
0 5000 30000

Fig. 5. The convergence properties of the proposed
model and traditional VSIE.

B. Reflector antenna with a patch antenna as feed

The proposed approach is also a good choice for
the EM modelling of electrically large antennas, such as
the reflector antenna with a patch antenna as the feed.
The geometries and dimensions of the reflector and patch
antenna are shown in Fig. 6 (a). The dielectric constant
of the patch antenna substrate is 3.5. FEM is very efficient
for analyzing electrically small antenna. However, it
is not suitable for analyzing electrically large antennas
due to the large number of unknowns generated by the
bounding box. VSIE model with low-order basis functions
is also not a good choice because of the frequency shift
problem and the large number of unknowns. VVSIE needs
more than 20196 unknowns to describe this example
and takes more than two hours of solving time when
MLFMA and Block-Diagonal precondition are used for
acceleration. However, only 2658 unknowns is required
for the proposed method when 2 order HOHL basis
function is selected, and the solving time can be reduced
to 508s. The return loss (with respect to 50Q2 ) calculated
by VSIE, the proposed method and FEM are compared
in Fig. 6 (b). Similarly, a significant frequency shift of
about 4.9% is observed for VSIE result, however, the Si;
obtained from the proposed approach consists well with
FEM solution. The comparison of radiation gain patterns
is shown in Fig. 6 (c). Good agreement in the main lobe
of the pattern is observed, although the side and back
lobes are slightly different.
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Fig. 6. Reflector antenna with a microstrip patch antenna
as feed. (a) Geometry of the reflector antenna with

% =0.38 and the patch antenna at the focus plane. (b)

Comparison of the return loss obtained by FEM, VSIE
and the proposed mode, Sii. () Comparison of the
radiation patterns obtained by FEM and the proposed
model at 5.71GHz, phi=0°.

C. Microstrip patch antenna array

As the final example, a 3x4 two-dimensional patch
array shown in Fig. 7 (a) is considered. The size of
each antenna element and the dielectric constant of the
substrate are the same as the patch antenna described in
the second example. The distance between two adjacent
elements is 20.4mm. The excitation voltages of each
element is set as 1.0V. The proposed model contains a
total of 3108 unknowns and takes 1851 seconds to solve
this problem when MLFMA is employed. However, VVSIE
model requires 35678 unknowns and takes more than 10
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hours of solving time due to its poor convergence. The
radiation performance of this antenna array in phi=0°
plane computed by the proposed model is compared with
the result of FEM in Fig.7 (b). The main and side lobes
are in good agreement, and a slight difference exists in
the back lobe of the pattern. The results show that the
proposed model has high accuracy and efficiency even
when analyzing the strongly coupled antenna array
radiation problems.

I I}
il |
1] —l i}
i} I}
€Y

180

(b)

Fig. 7. 3x4 microstrip patch antenna array. (a) Geometry
of the array. (b) Comparison of the radiation patterns
obtained by FEM and the proposed model at 5.71GHz,
phi=0°.

V. CONCLUSION

Based on the physical properties of microstrip
antennas, an effective numerical model is proposed for
fast analyzing the radiation of planar microstrip patch
antennas with thin dielectric substrates. In this model, the
current on metal surface is described by the HOHL basis
function. QSR formulation is applied to embody the
physical properties of the microwave resonant structure.
TDS method combined with QSR is employed to reduce
computing resources and improve efficiency. Numerical
examples have demonstrated that this model is able to
remove the frequency shift problem, reduce the number
of unknowns and speed up the iteration convergence
significantly compared to traditional VSIE model. Since
this model has fewer unknowns and can be easily
combined with the existing fast algorithms, it is
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promising for simulation of electrically large antennas
and antenna arrays with big number of elements.
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Abstract — A high power dielectric reflectarray with a
continuous variation of the effective permittivity of a
dielectric slab is proposed, based on a cross-shaped
element implemented in the slab. The improved method
used to retrieve the effective permittivity from the S
parameters shows that a continuously changing effective
relative permittivity from 1.25 to 3.4 can be reached by
adjusting the notch width of the cross-shape, yielding
a full 360° range of phase shifts at 9.3GHz. An array
of 10x10 elements is designed to verify the radiation
properties.Simulation results show that a main beam
direction of 25° and a maximum gain of 19.5dB can
be realized at the 9.3GHz center frequency. The power
capacity of the element reaches 371kW, opening the
possibility of high power applications. Fused Deposition
Modelling (FDM), a specific approach in 3D printing,
was employed for the fabrication of a prototype. This
technology significantly reduces material cost and
manufacturing time.

Index Terms — Dielectric reflectarray, Fused Deposition
Modeling (FDM), high power.

I. INTRODUCTION

The reflectarray antenna is regarded as a good
alternative for traditional parabolic antennas and array
antennas because of its low profile, high gain, beam
steering possibilities and simple horn feeding [1-2]. A
reflectarray can be achieved by dividing the reflector
surface into a sub-wavelength grid of individual
metamaterial unit cells, each with a variable reflection
phase. However, since periodic unit cells may exhibit
dielectric breakdown at high powers [3], which would
change the radiation properties of the antenna and
introduce irreversible damage, care must be taken so that
neither dielectric nor air breakdown occurs under
operating conditions.

In recent years, in order to improve the mobility of
high power parabolic antennas equipped on vehicles, the

Submitted On: January 24, 2019
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reflectarray is considered as a promising alternative to
the bulky conventional parabolic antenna in many high
power applications. In 2015, Zhao et al. proposed an
element of double square rings covered with a PTFE
layer for an X-band high power reflectarray antenna [4].
In 2017, Gregory et al. proposed a shorted circular
element unit cell for implementing steerable high
power reflectarray [5]. In 2018, Gregory et al. proposed
metamaterial-based unit cells usable in reflectarrays.
They are comprised of end-loaded dipoles with capacitive
lumped elements, round edges, and approximate high
voltage capacitors as loads to mitigate field enhancement
[6-7]. However, all these designs are complex in
processing and the power capacity is unable to reach the
GW/m? regime.

In this paper, we present a kind of dielectric
reflectarray element that is feasible to be fabricated by
FDM 3D printing technology to replace the traditional
microstrip element for power capacity enhancement. The
element is composed of a conductive ground and a
dielectric block of changing effective permittivity to
regulate the reflection phase. An improved method is
used to retrieve the effective permittivity of the cross-
shaped element based metamaterial slab with periodic
boundary from its S parameters. By varying the notch
width of the slab, a continuous effective relative
permittivity is successfully achieved. This variation in
the relative permittivity is used to obtain the required
reflection phase shifts in the reflectarray. The power
capacity is investigated. A complete reflectarray antenna
with 10x10 elements is designed with the full-wave
simulation software CST Microwave Studio® [8] to
validate the radiation properties, and a 10x10 array is
prototyped with 3D printing technology.

I1. ELEMENT DESIGN
A. Homogeneous slab of dielectric
Consider a homogeneous dielectric slab backed by
a conductive ground. The thickness of the slab is h, its

1054-4887 © ACES
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permittivity is &, and its loss tangent is tand. Assume a
normally incident plane wave. Fig. 1 shows the phase
and the magnitude of the reflection coefficient versus
the relative permittivity of the slab for the case h=25 mm
(0.7754 for f=9.3GHz), &=1.0 to 3.5, and tang=5.1x10-3
at f=9.1GHz, 9.3GHz and 9.5GHz. The dielectric is
inspired by [9] and the height is considerable in order to
get sufficient phase shift. It can be seen that when the
bulk relative permittivity changes from 1.0 to 3.5, the

reflection phase shifts indicate a range of more than 360°.

The reflection phase curves are quasi-parallel for the
three frequencies. The reflection magnitude varies in
between -0.20 and -0.60 dB.

B. The cross-shaped block

Replace the continuous slab by an array of cross-
shaped dielectric blocks, as depicted in Fig. 2. The bulk
relative permittivity of the dielectric is 3.4. The element
spacing is P=16 mm (0.5 1) to avoid grating lobes. The
dimensions of the cross-shaped dielectric blocks are
listed in Table 1.

0§ 0.2
4
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10 s, 3
[ /7 / -0.3
=) I o4, 3
> -200 oy )
7] ? =
2 / 7(// S
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B 400 —o—f=9.5GHz 2
S ———f=9.1GHz 1-05 @
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- & —=9.5GHz n,
-600 : ‘ : : 06
1 15 2 2.5 3 3.5

Relative permittivity

Fig. 1. Reflection coefficient versus relative permittivity
of the slab.

Characterizing this block array as an effective
homogeneous dielectric slab, we need to remove the
ground and retrieve the effective permittivity and
permeability from the reflection (S11) and transmission
(S21) coefficients for a normally incident plane wave. The
S parameters are related to the refractive index n of this
effective slab and the free space wave impedance Z by
[10]:

n={arccos[(1-S,* +5,°) / (2SI} (Kh), (1)

Z= \/[(1+Sll)2 _8212] 1a- S11)2 —8212], (2)
where ko denotes the wave number. The permittivity ¢ and
permeability x are then directly calculated from ¢=nZ and
u=n/Z. Figure 3 shows that for the example considered
with h=2 mm the retrieved effective permittivity varies
with the size of the corner notch w. We can see that an
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effective relative permittivity from 1.25 to 3.4 can be
achieved by properly choosing w. Moreover, the effective
relative permittivity is quite stable with a maximum
variation of no more than 0.2 for the three different
frequencies depicted. This guarantees the desired phase
shifts in the frequency band of interest.

el —

=

P

@

Fig. 2. Element structure with cross-shaped dielectric
block: (a) perspective view, (b) front view, and (c) top
view.

Table 1: Parameters of cross-shaped dielectric block

Name | Description Value

H Height of slab 2 mm

P Element spacing 16 mm

w Size of notch 0.5~7.5 mm

er Effective relative permittivity | 3.4

tand | Loss tangent 5.1x10°3
35
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Fig. 3. Retrieved effective relative permittivity versus
notch size w, all for h =2 mm.

The height of the cross-shaped block h=2 mm is
adopted for achieving a high accuracy when retrieving
its effective permittivity from (1). Now the thickness
is increased to the original 25 mm, the ground is added
again, and the resulting topology is simulated using
Ansys HFSS™ with periodic boundaries [11]. Figure 4
shows the resulting phase and magnitude of the reflection
coefficient versus the notch size w for normal incidence
at f=9.1 GHz, 9.3 GHz and 9.5 GHz. It can be seen that
the reflection phase possesses a good linearity and a



similar flatness as for the original homogeneous slab
(See Fig. 1). The phase shift is smooth and the ranges for
the three different frequencies are all more than 360°. The
reflection magnitude for the different frequencies and
notch sizes w is better than -0.55 dB (0.94), indicating a
fairly efficient reflector performance.

300 , 0
——=9.1GHz
—*—f=9.3GHz |04 =
= 200 —6—f=9.5GHz 3
a — = —f=9.1GHz ©
o — % —f=9.3GHz 1023
g 100/ - & -f=9.5GHz g
S 03 @
< €
2 0Or c
- o
® 1-04 5
2 <
- (0]
L I s S l o5 &
-200 — : : : : : — 0.6
7 6 5 4 3 2 1
w [mm]

Fig. 4. Reflection coefficient versus notch size w
simulated with HFSS.

I1l. REFLECTARRAY DESIGN

A complete dielectric reflectarray antenna is designed
in this section. The idea is to generate a transversally
changing permittivity by changing the size of the corner
notch w from block to block and this in such a way that it
yields the correct transversally changing reflection phase
needed in the reflectarray. The required phase shift for
each element (m,n) located at (xm, ya, 0) can be calculated
as follows [1]:

kO(rmn _§mn 'I,L)_A@mn = 27N, (3)

N R A A R O
where ko denotes the wave number, T is the position
vector of the mn™ element relative to the feed point at
(X, Y& 2r) = (0, 0, ze). R is the position vector of mn™
element relative to (0, 0, 0), f, is the direction vector
of the desired pencil beam with (b, ¢b) in a spherical
coordinate system, N=1, 2, 3, ..., and 4®m, is the phase
shift introduced by the element of the reflectarray in the
reflected wave relative to the incident wave.

The reflectarray topology is illustrated in Fig. 5.
The resulting design is an array of 10x10 element blocks
with an aperture size of 160mmx160mm, operating at
9.3GHz and fed by a centered pyramid horn. It’s phase
center is located at a distance F=100 mm from the
reflectarray. The desired main beam direction (6s, ¢v) is
set as (25°, 0°). F corresponds to the focal length of the
reflectarray. It is calculated as:

F=D/(2tand,), (5)
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where D is the size of the reflector aperture, and 8. is half
the beamwidth where the gain of the feed horn drops by
less than 10 dB compared to the broadside maximum. A
pyramidal horn antenna with a . of 38° and a standard
waveguide WR90 as feeding port was selected [11].

Fig. 5. The designed complete reflectarray.

The simulated radiation pattern in x-z plane for co-
polarization (¢=0°) and in y-z plane for cross-polarization
(9=90°) at f = 9.3GHz are shown in Fig. 6. The reflected
pencil beam is observed at 25 degrees, the maximum gain
is 19.5dBi, and the 3dB beamwidth is 14°. The sidelobes
are more than 10.5dB lower than the main lobe and
the cross-polarization level is 18.2dB below the co-
polarization level.

1IV. POWER CAPACITY ANALYSIS

The limiting factor in power peak handling is the
breakdown strength of the air around the cross-shaped
block, which is approximately 3MV/m [7]. This is
because, usually, the high power pulse is modulated with
a sinusoidal signal and the duty cycle is sufficiently low
so that thermal effects can be ignored. The key idea is
thus to make a design with a low peak value of the electric
field around the element, for a fixed input power. It is
obvious that the variation of the notch size w leads to a
variation of the E-field strength distribution. Simulations
show that the maximum field distribution for the element
occurs at resonance with the reflection phase equaling
zero, since the reflected wave and the incident wave are
in phase addition. This is for a normally incident plane
wave from the positive z-direction. In our design this
means for w = 4 mm at 9.3 GHz. For a feeding power
density pin of the structure of 1W/(0.016m)?=3.906kW/m?,
the maximum E-field strength is 4926 V/m. Figure 7
shows how the maximum absolute value of the total
E-field varies with the notch size w at 9.3 GHz. The
maximum power density of the exciting plane wave can
be calculated as follows [4]:

pmax = [Eh / max (Epin )]2 pin' (6)
where max(Epin) indicates the maximum E-field strength
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in the structure fed with a power density pin and
E,=3MV/m represents the breakdown E-field strength
of air. The maximum power density for the incident
plane wave is thus calculated as pmax=(3%x10°/4926)x3.906
kW/m?~1.45GW/m?.Assuming that the input power of
every element is uniform, the power capacity of an
element can go up to 1.45GW/m?x0.016m? =371kW.
However, note that this is only an estimate of the order of
magnitude since in reality there are different oblique
incident angles for the different elements on the reflector,
and thus the input power of the different elements is non-
uniform.

20

10

Radiation pattern [dBi]
=

30+ Co-pol (9=0°)
— — —Cross-pol (¢=90°)

-40 I
-180 -135 -90 -45 0 45

0 [Deg]

90 135 180

Fig. 6. Radiation pattern of the designed reflectarray at
9.3GHz: co-polar component in H plane (¢=0°) and
cross-polar component in E plane (¢=90°).

5

45}

35}

Maximum total E-field magnitudes [kV/m]
N

w [mm]

Fig. 7. Maximum total E-field magnitudes in the structure
VErsus w.

Note that the power capacity of the structure
with double square ring element covered with a
polytetrafluoroethylene (PTFE) layer, as proposed in [4],
is just 162kW, and the one of the structure with end-
loaded dipoles, as proposed in [8], is just 150kW. The
dielectric element proposed in this paper is obviously
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superior to the printed metallic elements for high power
handling in reflectarrays as available in literature.

V. MEASUREMENTS
To verify the operational principle of our reflectarray
design, a prototype of 10x10 elements was fabricated
using low-cost FDM 3D printing technology. The
dielectric material used is DSM’s Somos® Imagine 8000
with the relative permittivity &=3.4 at 1 MHz and
unknown loss tangent, and a copper plate is used as
ground. Figure 8 (a) shows the prototype of the reflector.
The chosen feed horn was an HD-100HAT9 from HD
Microwave Studio working in X-band [12]. For this horn,
0.=38°, so that for the 10x10 array with D=160 mm the
focal distance becomes F=102mm. In the actual prototype,
the approximating value F=100mm was used, both in
simulations and measurements. An Agilent E8257D
signal generator (LOMHz-40GHz) was used as source. A
similar horn antenna was used as receiving antenna. The

measurement set-up is shown in Fig. 8 (b).
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..)""'\1 '_A

Fig. 8. Photograph of the fabricated reflectarray under
test in anechoic chamber. (a) Prototype of reflector, and
(b) measurement set-up.

Figure 9 shows the radiation patterns at 9.3GHz,
both the measured one and the ones simulated for relative
permittivities &=3.4 and &=2.5, respectively, and an
assumed loss tangent of 5.1x10°% for the dielectric
material. The measured gain is 15.8dBi in the direction of
20.4°. The simulated gain is 17.2dBi in the direction of
23° with &=2.5, and 19.5dBi in the direction of 25° with
&=3.4. Comparing the measurements and simulations, the
gain difference and the beam direction offset are 1.4dB
and 2.6° for &=2.5, while they are 3.7 dB and 4.6° for
&=3.4, respectively. The main reason for the observed
discrepancies is the fact that the relative permittivity &
is actually less than 3.4 and decreases gradually with
an increase of frequency. In fact, the material DSM’s
Somos® Imagine 8000 used in FDM 3D printing is
similar as an acrylonitrile butadiene styrene (ABS) and its
relative permittivity e approaches 2.5 at 9.3GHz [9]. This
explains the reasonable agreement between measurements
and simulations with &=2.5 at 9.3GHz. Second, the
surface fabrication error for the reflector when using



FDM technology according to the vendor is +0.2mm,
which is larger than for traditional manufacturing
techniques. This may also introduce phase compensation
errors compared with the design, resulting in a beam
direction shift and gain reduction.
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Fig. 9. Radiation pattern of the prototype reflectarray at
9.3GHz in H plane.

The simulated and measured gains as a function of
frequency from 8.5GHz to 10GHz are given in Fig. 10.
The relative permittivity =2.5 is used in the simulation.
The gains increase with increasing frequency. The
maximum gain difference between measurements and
simulations is less than 1.4dB in this bandwidth. The
proposed reflectarray satisfies the requirement of reaching
a 100MHz bandwidth centered at 9.3GHz. The simulated
aperture efficiency is 17.0% at 9.3GHz, 18.5% at 10GHz
when &=2.5, and the measured aperture efficiency is
12.3% and 16.5% at 9.3GHz and 10GHz, respectively.

25

Measured

————— Simulated

20

Gain [dBi]

10 . .
8.5 9 9.5 10

Frequency [GHZz]

Fig. 10. Gain of dielectric reflectarray in H plane.

VI. CONCLUSION
A new dielectric cross-shaped reflectarray element is
proposed that allows to continuously changing the

HUANG, QIANG, VANDENBOSCH: HIGH POWER DIELECTRIC REFLECTARRAY ANTENNA

effective relative permittivity in order to realize a correct
reflection phase shift for reflectarray purposes. The new
element provides a simple and effective method for
implementing high power reflectarrays. A prototype
antenna based on the element has been fabricated with
3D printing technology. A good qualitative agreement
between simulated and measured results has been
realized.
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Abstract — In this paper, the topic of optical signal
integrity is approached by studying crosstalk suppression
in ring resonator based optical Add/Drop Multiplexers
(OADM). The resonance splitting induced by surface
corrugation is exploited to enhance signal integrity by
increasing the crosstalk suppression bandwidth compared
to that of a smooth-walled resonator. Sidewall roughness
in silicon-on-insulator waveguides is studied using
Coupled Mode Theory (time and space domain CMT).
An analytical model of a corrugated ring resonator is
presented, which is then exploited to estimate the
spectral response of the different ports. Verification
against results generated from full-wave electromagnetic
numerical modeling of a randomized corrugated ring is
performed. The analysis then examines the performance
of an OADM with controllable reflectivity resulting from
a predefined corrugation of sidewall. Gratings have been
successfully used in optical filters; this paper proposes
the use of a grating in an OADM, giving more controlled
roughness. A grating-assisted design of a single ring
OADM with 28 GHz crosstalk suppression bandwidth
is presented. This bandwidth supports the dropping of
10 Gbps signals with mitigated crosstalk levels and
improved signal integrity.

Index Terms —Back reflection, crosstalk, grating
reflectivity, ring resonators, sidewall roughness.

I. INTRODUCTION

Signal integrity issues in all optical networks are
of increasing interest due to the closer proximity of
waveguides and optical components as integration density
increases. The distinction between RF and optical
communications frequencies is diminishing, making true
on the claim that Electromagnetic compatibility (EMC)
is “a DC to light phenomenon”. Silicon-On-Insulator
(SOI) is a promising technology to increase the integration
density of all optical networks [1], [2]. SOI waveguides
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provide high confinement of light in devices of small
dimensions and allow for large-scale integration in
planar light wave circuits [3]. In this technology the
propagation loss is relatively low [4]. However, the
back-reflection effect due to sidewall roughness is of
great importance [5], [6]. In rough-walled ring resonators,
back reflection is a well-known cause of resonance
splitting due to the interference between forward and
counter-directional modes [7]-[9]. This effect has been
exploited to increase the extinction ratio by enhancing
the depth of the through port response at resonance [7].
In this paper, the resonance splitting resulting from
a periodic perturbation of the sidewall roughness is
exploited to improve the crosstalk performance of optical
add/drop multiplexers OADMs in wavelength division
multiplexed (WDM) networks by increasing the crosstalk
suppression bandwidth [10].

Back reflection is a frequency dependent
phenomenon that manifests as a variation of the response
at each resonant frequency. The existence of resonance
splitting relies on the relation between coupling
coefficients and reflectivity. To extract the coupling
and loss coefficients from experimental or numerical
results, the back-reflection effect should be considered
to produce an accurate analysis of OADMSs. A coherent
backscattering measuring system [11] and a fully
analytical model [4] have been proposed to characterize
all parameters of the ring including back reflection.

The sidewall roughness was created using semi-
periodic gratings as reported, experimentally, in [12].
A set of ridges having identical length and period
was shown to act as a wall corrugation. Therefore, it
was studied as a quasi-grating and the reflectivity was
measured as a function of frequency. Controlling the
backscattering by predefining the dimensions of a quasi-
grating during the fabrication introduces a new field of
applications using grating-assisted resonators [13], [14].
Using Bragg grating calculations [15], the back-reflection

1054-4887 © ACES
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effect can be controlled by changing the grating
dimensions (number, period and lengths of gratings).
The dual-mode filter model has been used recently in
photonic integrated platforms [16] in a similar manner
to that in microwave circuits. Using a partial reflector
inside a single ring resonator will result in a second order
response. This effect has been exploited to enhance filter
performance [9] and maximize the bandwidth of crosstalk
suppression [17].

In this paper, controllable levels of back-reflection
induced by a periodic surface corrugation are exploited
to improve the crosstalk suppression bandwidth. This
bandwidth of crosstalk suppression is defined as the
bandwidth over which the suppression of intra-band
crosstalk is maintained above 20 dB [18]. To achieve this
aim, the research presented in this paper is arranged as
follows:

1. Time domain Coupled Mode Theory (CMT)
[19], [20] is exploited to propose an analytical model.
This model allows a complete characterization of all
parameters of the ring including back reflection.

2. An equivalent model of the corrugated ring is
presented. The back-reflection can be visualized as
resulting from a virtual ring. The space domain calculation
is used, where the sidewall roughness is treated as a
single scattering point.

3. The validity of the proposed models is tested
against an existing experimental result [4]. Time and
space domain models allow for accurate characterization
of the ring without the need for curve fitting calculations.

4. The spectral response of different ports is
simulated numerically using a commercial full wave
simulation tool, CST [21], and the controllable reflectivity
induced by semi-periodic gratings is modelled and
validated using the ASPIC design simulator [22].

This paper presents a general solution for rough-
wall ring resonator modelling as well as a particular
solution to maximize the crosstalk suppression bandwidth.
It concludes with a design that provides a 28 GHz
crosstalk bandwidth.

I1. COUPLED MODE ANALYSIS
Mutual coupling between the back reflected mode
(induced by surface corrugation) and the forward mode
is modelled analytically using CMT (coupled mode
theory), both in the time and space domains.

A. Time domain analysis

Starting with Fig. 1, a(t) is the forward mode, while
b(t) refers to the back-reflection mode, which is related
to a(t) through the reflection coefficient r. No new
channels at the add port were assumed.

Based on the analysis of the time domain CMT [7],
[23], the stored energy in the ring (forward mode)
behaves as described by eq. (1):
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d 1
2O~ (100 =2)-20 =y -5~ ju-b®. @

Where u = \/F-%, is the mutual coupling, [ is the
perimeter of resonator (2mR), V, is the group velocity
and % is the decay rate of energy inside the ring (which

depends mainly on the losses and coupling coefficient
inside the resonator). S; and k; are the input field and the
coupling coefficient, respectively.

Also, the energy of the back-reflection mode changes
asineq. (2):

db(t) 1
=i — =) - —iu- 2
i <]u)o r) b(t) — ju - a(t). (2

Based on (1) and (2), a(t) and b(t) can be obtained as in
(3), (4) and (5):

—jky - Si —ju-b(®)

a(t) = a , 3)
A=i( =0+, @
b(t) = %a(t) ©®)
And from (3) and (5), equation (6) is obtained:
a(t) = %J:I;ZA - S;. (6)

Considering that g is the propagation constant in a
waveguide of length I; the response of each port is as
follows [17]:

i.  Through-port spectral response (equations (7)

and (8)):
S¢ = ejBl(Si = ky- a(t)), @)
Se|? k2 Al
o =1-5 8)
Si A2 + u2
ii. Drop-port spectral response (equations (9) and
(20)):
Sa=—jky-a(®), (9)
|& 2 _ k1k2 * A 2
sl 1Az w2 (10)
iii. Add-port response (reflectivity) (equations (11 —
(13)):
Sa = —jkz-b(V), (11)
—kik, - u
Sa=——4—a(V), (12)
2 2
Sal” _ [Fakz - u)® (13)
Si A2 + Uz

The behavior at resonance is given in equations (14),
(15) and (16):
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1 k2
I
&zz[ v (14)
Si , 1777
[ +T—z]
Sy klz]zczz
d T
dfo__ 1t 15
3 G (15)
lu tz
and
Sal” _ Kk -0 (16)
Si , L 17
lu tz

To obtain the scattering parameters,

Sa|?

Th —|ﬂ|2 Dr —|S—0‘|2 and Re, =
o sl e sl ° s

j 1
1

where, Th,, Dr, and Re, are the through, drop and back

reflection values at resonance respectively.
From (15) and (16):

Dr, 1

— = 17
Re, T%2-u? (7
Then,
21 Re
T2 Dr,’ (18)

To obtain 7, the ratio of Egs. (10) and (13) is taken at f;
which is the frequency where Re = § - Re,. With some
rearrangements, equation (19) results:

1 2Dr
— 1

_ . 19
Aw Dro (19)

Dr is the value of the drop response at f; and Aw is
the frequency difference between f; and the resonant
frequency.

Given the value of 7, the back-reflection coefficient
is expressed as in Equ. (20):

(Aw)?-1>  Dro - Re,
Vg v2Dr — Dro

Also, the coupling coefficients can be represented as

in equations (21) and (22):
2 ! '1'(Re0+Deo)

=3 T b [1-Th], (21

g
I 1 (Reo+D
k22 =____( eo eo)- (22)
Vg T [1—/Th,]
Finally, the losses can be measured based on [24] as
in equation (23):

1

» —;] — k% — k2 (23)

Vg

And the losses coefficient is given in equation (24):

a= % [—10- log(l — kpz). (24)

Fig. 1. Forward and back reflected modes in a rough-
walled RR add/drop filter.

B. Space domain analysis

Although the scattering is distributed around the
ring, it is helpful to think of it as an accumulated single
scattering point [6] as shown in Fig. 2 (a). This point of
scattering is characterized by (K,*) and (t,2), the back-
reflection and transmission coefficient, respectively. The
proposed equivalent structure is shown in Fig. 2 (b),
where the reflection is assumed to be induced by a virtual
ring.

Fig. 2. The corrugated ring resonator (a), and (b) is the
proposed virtual model.

The loop equations were written as in [17] to
calculate the spectral responses of each port considering
the existence of back reflection.

The drop port response is given in equation (25):

_k1k2 ° [tr - tltze_jg] : e_jw/z

Sq = - —,
4712 tt, t, - e00 4+ £, 2,2 - 7200

(25)

where, @ = al+jf1, is the propagation loss and phase
change. k, and k, are the bus/ring power coupling

coefficients, t, = fl — k% and [ is the ring perimeter.

Also, the response of through port is given as in (26):
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st~ (t? — Dt t,e 7 + tit,e /¢
CT 1 =2ttt + (tyty) e 2P
Finally, the induced back-reflected signal at the add
port due to the counter directional propagated mode is as
given in equation (27):
jRe - kyks -ty - e 139/2
1—2-tyt, -t - e710 + ¢, 2¢,2 - 729

(26)

Sback = (27)
Equations (25) to (27) represent the frequency response
of a corrugated ring OADM. These equations and
equations (21)-(23) allow for complete modelling of
corrugated ring resonators and provide an alternative
solution to reproduce the experimental results without
the need for curve fitting.

C. Validation

These models (in both the time and space domains)
are examined first against the experimental outcomes
published in [4].

1. The analytical model (time domain) represented
by equations (20) to (23) is used to extract the coupling
coefficients from the experimentally determined response
presented in [4], as shown in Fig. 3 (b). The fitted
parameters are:k,* = 4.8%, k,* = 1.76%, t, = 0.9991
and the round-trip loss e"* = 0.9639.

2. The space domain model was used to plot
the spectral response and reproduce the experimental
results using coupling coefficients (Klz, K,?2,t,, and loss
coefficient) calculated in step 1.

A comparison between Figs. 3 (a) and (b) shows the
accuracy of the presented models and allows for the use
of these equations for filter performance optimization in
terms of crosstalk and signal integrity.

For further validation, a corrugated ring was modeled
using CST MWS [21]. Figure 4 shows the CST model of
a ring resonator based OADM.

In the electromagnetic model, the following
parameters were used:

A substrate was silicon dioxide of 1 um height with
a 1.44 refractive index. Then the silicon waveguides
were introduced above the substrate with 0.22 um
heights and 0.5 um widths for single mode propagation
[3]. A refractive index of 3.47 was used for the silicon
waveguides [25]. The upper cladding was air. The
corrugated ring was first modeled geometrically using
Ruby code [26], and then moved into CST as a
Wavefront.obj file. The ring radius was 8um and the
distances between the bus waveguides and the ring
were 60 nm and 160 nm for the input and output bus
waveguides, respectively. These values were taken to
ensure the presence of resonance splitting. A hexahedral
meshing in the transient CST solver was performed for
simulation. The various spectral responses for the ports
of a corrugated ring resonator are shown in Fig. 5. Sy,
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Sa1, and S4; signify the output, drop and back reflection
responses, respectively.

Equations (21) to (23) were used to calculate different
parameters of the resonator from the simulation results.
The modelled corrugated ring parameters (coupling,
reflection, and loss coefficients) are calculated as: k,* =
10.774% , k,* = 1.422% , t, =0.998 and e =
0.986.
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Fig. 3. (a) Spectral response of OADM based on time and
space domain models. (b) Experimental results presented
in [4].

Fig. 4. CST model of a random sidewall roughness in a
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Fig. 5. CST spectral response of a corrugated ring.

These values were introduced into equations (25) -
(27) to reproduce the spectral responses of different
ports. Figure 6 shows a comparison between the
analytically calculated port responses and that fitted
using CST simulation. A good agreement between these
results is clear. This provides additional validation for
the derived equations and enables the application of them
to study the effect of back-reflection on the crosstalk
suppression bandwidth.
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42.4 19245 1925 19255 1926 192.65
Frequency [THz]

Fig. 6. Numerical (solid) and theoretical (dotted) modelled
spectral response for a corrugated ring resonator.

Another advantage of the derived equations is in
examining different values of the reflection coefficient
(t) to show the effect of back-reflection on crosstalk
suppression. Increasing the back-reflection coefficient,
reducing t., leads to strong response splitting due to
the mutual coupling between counter directional
propagating modes, as shown in Fig. 7. Two minimums
and a single maximum would exist in the output port
response (Sy1) of a single ring because of the back-
reflection. Similarly, a double maximum and one
minimum appears in the drop port response (Sa1).
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The difference between S31 (drop port response)
and S21 (through port response) at each wavelength,
represents the crosstalk suppression. It is required to
be higher than |20] dB [27], for as wide a wavelength
range as possible to increase the crosstalk suppression
bandwidth to ensure high data rate channel dropping
with improved signal integrity and mitigated crosstalk.
This can be achieved by optimizing the reflectivity of the
side-wall within the rough region, as discussed in the
following sections.

I1l. CONTROLLABLE REFLECTIVITY
In this section, total reflectivity resulting from
adding a number of reflectors is studied using the Bragg
grating reflectivity model [15]. Single and double gratings
are shown in Fig. 8.

A GRATING PERIOD
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v
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re=ro+rg € ———— e — - —— o’
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Fig. 8. (a) Single grating and (b) double gratings model.

The power back-reflection coefficient R is modelled
as [28] and given in equation (28):
k? - sinh?(S - L
S Ly ) . @
82 - sinh?(S - L) + S? - cosh?(S - L)
'rr-Aneff .

where, r, is the reflection coefficient, k = — s the

R= |ro|2

2Tneff T

coupler coupling coefficient, and 6 = R is the

detuned propagation constant. n.; is the effective
refractive index, a is the period of the grating, L is the

reflector length, and S = vk? — 82 . Equation (28) shows
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a high dependency of the reflectivity on the change of
Ness, and grating parameters (L, and A). Increasing the
reflectivity by modifying various parameters is the main
aim of this section. The refractive indices were 3.47 for
Si and 1.44 for SiO; at the wavelengths around 1550 nm
[3]. ner Was 2.55, with a constant change over the grating
as Angg = 0.5. The effects of different parameters are
examined as follows:

1. Reflector length (L): A 100 nm grating period
and 50% duty cycle are considered first; these values
were chosen to ensure high reflectivity around 1550 nm.
Figure 9 shows that increasing L only influences a
change of the reflectivity over the range of wavelengths
around 1550 nm. Here, the range of wavelengths obtained
was 1540-1560 nm and the best reflector length was
6500 nm (relatively high reflectivity) as shown in Fig. 9.

2. Grating period (a): For L = 6500 nm and
50% duty cycle. Figure 10 shows an increase in the
reflectivity with increasing grating period. Depending
on the diffraction theory [12], the Bragg wavelength is
(ABragg = 2 - m- a). Therefore, increasing a will increase
the Bragg wavelength and shift it nearer to the required
range.
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Fig. 9. The effect of L. L1=6500 nm, L,=13000 nm and
L>=19500 nm.
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Fig. 10. The effect grating period.
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3. Number of reflectors: Fig. 8 (b) shows the case
of two groups of gratings, the total reflectivity of this
model results from the contribution of each reflector.
However, when adding r, and r;, a locked loop needs to
be considered between the reflectors. Based on Mason’s
rule [29], the total reflectivity of two reflectors is as
given in equation (29):
ro + 1, - @28l

1+ rorye iBlr
For three groups of gratings, the total reflectivity will
be greater due to the number of reflectors. The total
reflectivity can be calculated as in equation (30):

Ig + rq + r, =
ro + I'le_szL” + rze—IZB(er"er) + rorlrze—iZBer
1+ rorle‘jzﬁLm + rlrze—jZBer + rOrZe—IZB(Ln"'er)'
(30)

where L,, and L, are the separations between gratings.
The reflectivity of one, two and three gratings is shown
in Fig. 11.

I‘O + I‘l = (29)
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Fig. 11. Number of reflectors effect.

ASPIC design software [22] was used to validate
equations (29) and (30), as shown in Fig. 12. ASPIC isa
model-based simulation software and approaches
simulation differently to the physically based CST MWS
simulation software. The effect of using single, double
and three gratings is simulated first. It is shown in Fig.
12 (b) that, increasing the number of gratings will result
in an increase of back reflection as in [12]. Differences
between analytical and ASPIC simulator results may be
attributed to the change of the effective index with
wavelength (material dispersion) [30].

4. Effect of Lr: to obtain high reflectivity, the
distance between reflectors should ensure a m radian
phase shift. The overall reflectivity is strongly affected
by Lr as shown in Fig. 13. Therefore, the perimeter of
the grating assisted ring needs to be optimized to
maximize the reflection by ensuring a proper Lr.
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IV. GRATING ASSISTED SINGLE RING

This section aims to build on the above calculations
to suggest a novel design of OADM that provides high
crosstalk mitigation and ensure high integration density.
The design steps are listed below:

Step 1. The goal-maximization algorithm is
exploited to optimize the coupling and reflection
coefficients that maximize the bandwidth of crosstalk
suppression. Different parameters of an OADM with
a corrugated ring are optimized based on Equations
(25) and (26) to maximize the bandwidth of crosstalk
suppression. Each time, a set of coupling coefficients
(k1, ko and tr) is used to calculate Ss1-Sz1 and compare it
with a |20| dB suppression threshold over the range of
frequencies around one resonance.
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Step 2: Not only ki, k2 and t; need to be optimized,
the ring radius needs to be chosen to match the resonance
wavelength with the calculated value of tr.

Step 3: Three reflectors were used to ensure high
reflectivity. The distance between the three reflectors
was calculated as (L, = ((I — 3 x L))/3), where [ is the
mean length of the ring. To maximize the reflectivity, the
distance between reflectors was to be optimized.

Step 4: A model that combined all the parameters
(coupling coefficients, ring radius, number of gratings,
grating length, and grating period) was used. The
optimization approach was performed for 100 and 120
mm grating period since these values provided increased
reflectivity, as depicted in Fig. 10.

The optimized ring parameters for maximum
crosstalk bandwidth in an asymmetric ring resonator
were as follows: The power coupling coefficients
K, = 0.2258, K,? = 0.0329, and the back-reflection
coefficient t, = 0.99. The optimized value of back-
reflection coefficient was used in equation (28) to
calculate the length of reflectors inside the ring. A ring
of 9.64 um radius loaded with three reflectors each of
6.5um length, separated by 13.7 um is proposed. The
period of ridges in each reflector is 0.1um. A 28 GHz
crosstalk suppression BW was obtained using these
optimized parameters, as shown in Fig. 14. By
comparison, an OADM made of a smooth surface ring
with high coupling coefficient > 0.65 [18] is needed to
obtain a similar crosstalk BW. Such a high coupling
coefficient would affect the selectivity of the multiplexer
(Q-factor) and allow for the adjacent channels to increase
the inter-band crosstalk. Also, a double ring resonator
can have a similar BW [18]. However, the integration
density will be reduced due to the increased filter size.

To this extent it is shown analytically that a single
ring with three reflectors provides high data-rate channel
dropping compared to the smooth surface ring OADMs.
To ensure the accuracy of the results, a numerical
validation using ASPIC simulator for the proposed
model was performed.
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Fig. 14. (a) The single ring resonator spectral response,
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The ASPIC simulator results for a single ring
resonator with three reflectors are shown in Fig. 15,
which shows a good agreement with that of [17] (ASPIC
simulation was performed for a 5 um ring resonator
model) where the resonance splitting is clear and |20| dB
crosstalk suppression is maintained for a wide crosstalk
suppression bandwidth.
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Fig. 15. The three-port response for a grating assisted
ring resonator (Aspic simulated results).

V. CONCLUSION

Mitigating crosstalk effects and enhancing signal
integrity in a small size ring resonator based OADM, by
increasing the crosstalk suppression bandwidth, was
the main aim of this paper. The objective of this work is
to exploit the resonance splitting induced by silicon
waveguide surface corrugation. To do that, a simple and
direct approach to estimate all port responses without the
need for curve fitting was presented. An equivalent model
for the corrugated ring was proposed and examined
against experimental published results. 3D simulation
software was used for further validation. Analytical and
numerical calculations were performed to ensure the
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accuracy of the proposed model. Finally, this model
was used to obtain the optimized parameters of a ring
resonator that maximize crosstalk suppression BW. A
novel design, with more controllability during manufacture
compared to a purely randomized corrugation, was
proposed, and a 28 GHz crosstalk suppression BW was
achieved. This bandwidth supports the dropping of
10 Gbps signals with mitigated crosstalk level and
improved signal integrity.
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Abstract — A thin broadband metamaterial absorber
with Resistive Frequency Selective Surface (RFSS) is
presented. The absorber maintains a good performance
over a broad operating frequency band with low
profile. It is designed by a class of periodic artificial
electromagnetic structures and the unit cell of the
proposed absorber is composed of resistively loaded
square loops with different sizes. By combining multiple
resonant square loops (MRSL) of different geometries
on a single layer structure, the absorption spectrum
is greatly expanded. Simulation results show that the
absorption coefficient is greater than 85% from 7.9GHz
to 18.9GHz, while the thickness of the whole structure is
0.1A (the free space wavelength) at the lowest operation
frequency. A prototype was fabricated and measured
in an anechoic chamber to validate the proposed design
method. Favorable agreement among the full-wave
simulation result and measurement result was achieved.

Index Terms — Broadband absorber, multiple resonant,
resistive frequency selective surface.

I. INTRODUCTION

A lot of effort has been devoted in the last decades
by technology research to realizing materials with absorb
electromagnetic wave properties. One of the challenges
at present is to improve the operation bandwidth of a
structure at a lower profile so that a wider application.
The dilemma of attaining both thin thickness and wide
bandwidth on metal backed magnetodielectric absorbers
simultaneously has been illustrated by the Razanov
limitation [1]:

) :
Ag:(,zmax _gmm)<m ’ (1)

[In p,|
where d;, g, are the thickness and the static
permeability of ith layer of the multilayer slab. These
materials are conventionally characterized by the
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thickness d, and by the largest value of module of the
voltage reflection coefficient p, within the operating
waveband. There is an optimal bandwidth-thickness
ratio (AMt), because the absorption bandwidth (AX)
is proportional to the effective total thickness (t =
> M;,L-di)- Hence, it is always a challenge for designers to
develop technologies to approach this optimal ratio on
microwave planar absorbers [2].

Based on the new properties of metamaterial, the
metamaterial absorbers (MMA) are widely concerned
by many researchers, especially in the optical band and
microwave band. The first perfect MMA based on the
theory of electromagnetic resonance was proposed by
Landy et al. in 2008 [3]. However, owing to the facts that
the absorber design principle is based on resonant
properties, it inherently limits the absorption to a narrow
spectrum. Since then, researchers proposed a variety of
MMA that polarization-insensitive and wide incidence
angle characteristics, but the absorption frequency
spectrum is still narrow [4-9].

In order to achieve broadband absorption
performance, the general method is to obtain multi-
resonant modes by multi-scaled patterns or fractal
structures [10-14]. To a certain extent, the spectrum of
broadband absorption has improved, however, the
multiple absorption spectra are discretely distributed.

To obtain continuous broadband absorption, several
other bandwidth enhancement approaches including the
lumped elements loading technology and the multi-layer
resistive frequency selection surface (RFSS) absorber
[15-18] are proposed. However, these methods have
several limitations for the practical application, owing
to the increased unit dimension, overall thickness of
the absorber, and fabrication difficulty, which are not
convenient for many practical applications. Therefore,
the design of the low profile with the simple resonance
structure, broadband absorption, and high absorption
ratio becomes particularly urgent.
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In this paper, a new multiple resonant broadband
absorber is studied and presented, which consists of
multi-sizes square loops in periodic. The design of the
square loop structure based on the theory of resistive
frequency selective surface. Simulation results of single
and multiple resonances structure are presented, which
allow a detailed explanation of the multi-resonant
mechanism of the wideband absorber. By rationally
designing the size of the multi-resonant square loops
and appropriately optimizing the combined structure,
continuous multi-resonance point absorption can be
generated, which greatly expands the operation spectrum
range of the microwave planar absorbers. The absorption
coefficient of full-wave HFSS simulation is compared to
verify the validation. Using this multi-resonant method,
the multi-resonant planar absorbing structure is designed.
This letter gives a brief introduction of the multi-
resonant square loop absorber design method, which
could be used in the wideband absorber design for RCS
reduction application of the wideband antenna.

11. ABSORBER DESIGN

A. Single resonant square loop structure

A unit cell of the single resonant square loop (SRSL)
absorber based on Resistive Frequency selective surface
FSSis shown in Fig. 1. It consists of three layers: surface
metal layer, dielectric layer and the PEC ground plane.
Between the substrate and the ground plane, an air gap
or a foam layer is usually applied to modify the resonant
frequency band. Four resistors which can absorb the
resonant power are welded in the middle of each edge.
Such unit cell can be arranged in periodic to make up
a resonant structure that have frequency selective
characteristic, based on the theory of frequency selective
surface FSS.

(@) (b)

Fig. 1. The structure of a SRSL: (a) 3D view and (b) top
view.

B. Multi-resonant square loop structure

The schematic of the proposed Multi-resonant square
loop (MRSL) absorber is shown in Fig. 2. As seen from
Fig. 2 (a), the MRSL absorber is built up arranging
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the single square loops in a periodic structure and each
unit cell has nine square loops which in five different
sizes. Particularly, every square loop is welded with chip
resistors of same resistance in the middle of each edge.
Figure 2 (b) presents the 10x10 periodic structure model
of the MRSL absorber. All the square loops are printed
on a FR-4 substrate with the relative permittivity of 4.4
and thickness of 0.8mm.

(b)

Fig. 2. The proposed MRSL absorber: (a) a view of the
unit cell in periodic structure model, and (b) a 10x10
periodic structure model.

Comparing with the single resonant square loop
structure, the perimeter of the square loops at different
positions are variable with five sizes, but the distance
between any two adjacent square loop and the height of
the air layer are remained. This change can connect the
independent resonance points to produce a wideband
frequency response.

IHl. SMULATION RESULTS

The unit cell was simulated by the electromagnetic
full-wave simulator Ansys HFSS. Simulation schematic
of parameters is given in Fig. 3. In the simulation, the
unit cell placed in a waveguide, where each side of the
waveguide is excited by a Floquet port. Master and
slave boundaries are applied to the lateral walls of the
waveguide to numerically realize an infinite array.

The absorption coefficient of the unit cell, A(w),
was computed as follows:

A(®)=1-R(0) — T(c) 3
R(w)=[s,[", 3)
T()=[S,]". )

Where A(w) is absorption coefficient. R(oa) and
T(w) represent reflection coefficient and transmission
coefficient, respectively. The transmission coefficient
T(w) is zero, due to the presence of the PEC ground
plane. According to (2), (3), (4), absorption coefficient
can be easily calculated.
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Fig. 3. Simulation schematic of the Floquet periodic
boundary condition.

A. Simulation results of SRSL structure
The absorptivity of SRSL absorber is related to the

distance (H2) between the substrate and the ground plane.

Besides, the value of the loaded resistance will affect the
absorptivity [19]. This article focuses on how to implement
a broadband absorber at a lower profile. Therefore,
the following parameters are unchanged: P=13.8mm,
W=0.88mm, L_R=2mm, H;=0.8mm, H,=2.0mm. To
obtain a better absorptivity, the absorption characteristics
of different resistances loaded with different size square
loops have been studied.

Five different sizes of the meta square loop of SRSL
absorbers unit cell at the same height were analyzed. The
simulated optimal absorption ratio of the different SRSL
absorbers are shown in Fig. 4. It can be seen that five
different SRSL units have five discretely absorption
spectrums. Obviously, single resonant square loop structure
has narrowband absorption spectral characteristics. It
will get a continuous broadband absorption bandwidth if
they work simultaneously in one plane.
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Fig. 4. The simulated absorptivity of the SRSL absorbers
with different sizes meta square loops.

B. Simulation results of MRSL structure

The Broadband absorber is designed according to
the ideas in the previous section. Generally speaking,
multiple absorption spectra are discretely distributed
unless the SRSL size was properly designed and the
composite structure array was properly selected.
Continuous multiple resonance absorption greatly
expands the operating spectral range of a single layer
structure.

The single resonant square loops in the previous
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section are selected to combine into different multi-
resonant square loop structures. The metal square loops
of different sizes have been numbered in Fig. 2, Fig. 7
and Fig. 8. The optimized parameters of the five SRSL
are given in the Table 1. Other parameters remain
unchanged.

Table 1: The optimized parameters of the five SSL
absorber

SLL | D (mm) | R (ohm) | SLL | D (mm) | R (chm)
#1 9.2 0.8K #2 10.1 1K
#3 11.0 1.2K #4 11.7 1.5K
#5 13.1 2.8K

Four different multi-resonant structure unit cells are
proposed in Fig. 5 to verify that different combinations
of the MRSL can affect the absorption performance. The
divergence is that different loops are placed in different
positions, which will change the coupling capacitance
between the square loops. In Fig. 5 (a), there is only one
square loop No. 3 that placed in the middle of the cell,
and the other square rings appear randomly in different
positions twice. According to this rule, the intermediate
unit cell is replaced in Figs. 5 (b), (c) and (d). These unit
cells are used to simulate infinite periodic arrays in
master-slave boundary conditions

The absorptivity of the different form MRSL
absorbers are shown in Fig. 6. Simulation results show
that the multi-form of arrangement and compositions
have a great influence on the absorptivity performance,
especially, the middle absorption spectrum decreased. In
Fig. 6 (a), the absorptivity of b, ¢, and d is less than 0.8
in the middle spectrum. However, the absorption curve
of a is above 0.8 from 12 GHz to 16 GHz, indicating an
excellent absorption performance. Figure 6 (b) reveals
the best absorptivity curve in Fig. 6 (a). It is clear that the
efficient absorptivity of the best MRSL absorber in the
four proposed absorbers is above 8§5% from 7.9 GHz to
18.9 GHz for the normal incident electromagnetic waves.
Especially, the X-band and Ku-band are completely
covered. Comparing the four MRSL unit cells with
different arrangement, the structure shown in Fig. 8 (a)
is the best combination.

The electric field distribution of the MRSL absorber
unit cell is also studied, as it can help us analyze the
information about the way and location of electromagnetic
energy absorption. In Fig. 7, the surface electric field
distributions are present at different frequencies, which
correspond to the multiple absorption peaks. It can be
seen that the electric field is mainly concentrated on
the largest square loop when it is excited with a low
frequency electromagnetic wave. As the frequency moves
toward a high frequency, the electric field shift to other
rings regularly. At the highest frequency, the electric
field is mainly concentrated on the minimum square
loops. Because of the coupling between the square loops,



the electric field may distribute over multiple square
loops of similar size occasionally. Most of the resonant
energy of square loops is absorbed by the resistor,
indicating that the proposed MRSL Structure has
broadband electromagnetic wave absorption capacity.
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Fig. 5. The unit cell of four different MRSL absorbers.
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absorbers, and (b) the best curve of Fig. (a).
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10.5GHz, (d) at 11.5GHz, and (¢) at 14GHz.

IV. EXPERIMENT RESULTS AND
ANALYSIS

To validate the proposed design, a prototype has
been fabricated on FR4 sheet using PCB technique. The
overall size of the sample is 414 mmx 414 mm, where
10 x 10 unit cells are printed. Figure 8 (a) shows the
photograph of the prototype and Fig. 8 (b) shows the
prototype under test.

The characterization of the sample is achieved by a
free space measure method to measure the reflectivity
at normal incidence electromagnetic wave. In the
experiment, one pair of horn antennas are connected to
the vector network analyzer which works in the range of
1-40 GHz. The horn antenna used works in the range of
6-18 GHz.

The simulation and measurement results of the
prototype are shown in Fig. 9. It can be seen that the
absorption rate of both is above 80%. The difference
between them is that the simulation result is smooth,
but the test curve is a jittery curve. Overall, the trend
of test results is consistent with the simulation result.
The measurement method is shown in the Fig. 10.
The receiving antenna receives electromagnetic wave
scattered by the transmitting antenna and a bit of
electromagnetic wave reflected by the absorber. In
addition, machining errors and test system errors are not
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considered in the simulation. These changes, which frequency band above 85% from 7.9GHz to 18.9GHz.

differ from the simulation, may cause small fluctuations ~ Some future work may be interested in polarization

in the absorption rate during testing. insensitive performance and tunable frequency selective
absorber.
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Abstract — Based on a polarization-dependent artificial
magnetic conductor (AMC), a windmill-formed reflector
is designed and applied to a circularly polarized patch
antenna to reduce the radar cross section (RCS) and
to improve the radiation properties of the antenna at
the same time. Simulation and measurement results
show that the proposed antenna bears an in-band RCS
reduction for 10dB over a bandwidth of 30% for both
polarizations. The 3dB axial ratio (AR) bandwidth is
extended largely with gain improved compared with the
reference antenna.

Index Terms — Artificial magnetic conductor (AMC),
axial ratio (AR), circularly polarized (CP) antenna, radar
cross section (RCS).

I. INTRODUCTION

Patch antennas have been widely used because of
their advantages such as low profile, lightweight, low
cost and easy fabrication [1]. With the development of
aerospace technology and radar technology, the circularly
polarized (CP) patch antenna is frequently applied in the
field of electronic reconnaissance interference, wireless
communication and GPS navigation [2-5].

Currently, many works can be found on CP
patch antennas aiming at improving their radiation
performances. Fabry-Perot (FP) cavity is often used
for high-gain CP antenna designs [6-10]. Metasurface
superstrates are incorporated on CP patch antennas [6, 8,
9], or CP patch antenna array [10]. In [6, 9], not only the
FP cavity is formed between the superstrate and the
ground of the antenna, but also the stopband property of
the EBG superstrate prohibits the radiation of side lobes.
As a result, the front gain is improved largely. In [8] and
[10], with surface waves on the metasurface excited,
extra resonances with minimum AR points are produced.
Consequently, the impedance bandwidth, the AR
bandwidths and the gain of the antennas are all improved.
There is also effort in designing a wideband high-gain
CP antenna by using a single dielectric superstrate [7].
The superstrate not only enhances the gain attributed to
the FP cavity formed, but also generates extra CP
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radiation for the system, and consequently broadens
the AR bandwidth significantly. In [11, 12], through
polarization conversion metasurfaces, linearly polarized
waves are converted into CP ones and thus CP antennas
with wider impedance bandwidth and higher gain are
developed.

However, for CP patch antennas, there are only a
few studies devoted to reducing the RCS of the antennas.
Circular [13] and quasi fractal [14] structures are etched
on the ground of the CP patch antennas to reduce
the RCSs of the CP antennas while maintaining their
radiation performance. In an integrated structure, the
antenna in [15] can possess the absorbing characteristic
and the partially reflective characteristic simultaneously.
The upper surface of the superstrate absorbs most of the
incident wave by converting the electromagnetic (EM)
wave into heat as Ohm loss to reduce the RCS of the
antenna, while the bottom surface of the superstrate
forms an FP resonance cavity to produce high directive
gain. On the other hand, the artificial magnetic conductor
made it feasible to design low RCS screen based on
phase cancellation scheme [16]. Further, wideband
property is enabled by adopting dual AMCs [17, 18].
Following such scheme, chessboard metasurfaces formed
by dual polarization-dependent AMC (PD-AMC) is
utilized to design low-RCS and high-gain CP antennas in
[19, 20]. In both designs, the gain enhancement is
obtained by using FP cavities, while the low-RCS feature
is realized by phase cancellation from blocks of the
chesshoard metasurfaces. In [20] the AR is also improved
by the metasurface. However, such CP antennas require
certain thickness due to the requirement in forming a
Fabry-Perot cavity.

In this paper, by incorporating a muti-functional
metasurface, we propose a thin circularly polarized
patch antenna with properties of low RCS, high gain
and broader AR bandwidth. In this design, PD-AMCs
arranged in windmill-form [21] is used to construct a
low RCS reflector. By forming the windmill patterned
reflector with triangular topology of the AMCs, the
number of the interfaces is increased. Consequently,
such configuration directs the EM scattering to a wider
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angular range compared with the traditional chesshoard
reflector. The very windmill-form metasurface, instead
of an FP cavity as in literatures [15, 19, 20], also works
as parametric radiating parts for the CP antenna which
provides gain improvement. Wider AR bandwidth can
be obtained by rotating the key part of the AMC elements
which are on the diagonal direction. The windmill-form
pattern for the reflector shows a second benefit that minor
destruction is resulted in the low RCS performance when
the aforementioned elements rotation is introduced. The
performance of the proposed antenna, including a low
RCS, broader 3-dB AR bandwidths, and enhanced
gain, have been demonstrated by simulation and by
experiments. The ANSYS High-Frequency Structure
Simulator (HFSS) is used throughout this work for
simulations.

1. DESIGN OF ANTENNA WITH
WINDMILL-FORMED REFLECTOR

A. Design of the unit cell and windmill-formed
reflector

In this paper, a mushroom-like AMC is designed on
a substrate with thickness of 2mm and dielectric constant
of 2.2. As shown in Fig. 1, parameters of the unit cell
are as follows: P = 10.6mm, L = 8.9mm, W = 6.4mm,
h=2mm, r=0.5mm, g1 =2.1mm, and g2 = 0.85mm. By
rotating this AMC (AMC1) by 90 degrees, we obtain
another AMC (AMC2) with different reflection phase
property. The reflection phases of these two AMCs were
obtained by HFSS software, with the master and slave
boundary and the Floguet port shown in Fig. 2 (a). The
phase difference of the two AMCs is plotted in Fig. 2 (b).
According to [20], a low RCS reflector designed by
phase cancelation scheme requires two kind of blocks
with phase difference in the range of 180 + 30°. With
such a criterion, it can be checked in Fig. 2 (b) that the
operating frequency band for these PD-AMCs is 8.8
GHz -10.8 GHz.
By assembling these PD-AMC:s in triangular blocks based
on an even-area strategy, a windmill-shaped reflector is
formed, as shown in Fig. 3 (a). The monostatic RCS of this
reflector for normal incidence of the x- and
y-polarizations has been simulated. Referenced by that of
a metallic board with the same size, the RCS reduction
by this reflector is presented in Fig. 3 (b). From careful
observation of Fig. 3 (a), it can be found that this
windmill-formed structure is not rigorously x-y
symmetrical. That is why this structure shows different
RCS curves for different polarizations. Taking the RCS
reduction of -10 dB as the criteria, the proposed windmill-
formed reflector shows an RCS reduction band from 7.56
GHz to 11 GHz for x-polarization and 8.31 GHz to 11.13
GHz for y-polarization. The maximum RCS reduction
around -25.7 dB is obtained at 8.05 GHz. The scattering

pattern for x-polarization at this frequency is plotted in
Fig. 4. It can be seen that the dominant EM energy is
reflected from backward direction to (6= 30°, ¢ =28°) and
(6 = 30° ¢ = 208°), which is a typical signature for
reflector designed by phase cancellation scheme. Similar
scattering pattern can be observed for y-polarization.
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Fig. 1. The structure of AMC unit cell.
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Fig. 3. (a) lustration of the windmill-formed reflector,
and (b) the simulated monostatic RCS of the windmill-
formed reflector for normal incidences.

B. Design of the proposed antenna

In this section, the windmill-form reflector designed in
section A is applied to a circularly polarized antenna.
Based on a rectangular patch of 10mmx8.7mm, two
isosceles right-angled triangles are cut from the central
patch of the CP antenna [20], with details provided in Fig.
5 (a). The substrate is with dimension 159mmx
159mm*2mm. On top of the substrate, the windmill-
formed reflector is applied surrounding the CP patch with
a few modifications, as presented in Fig. 5 (b). Firstly,
strong mutual coupling of the CP patch with
its immediate neighboring AMCs will cause radiation
degradation. Therefore, those AMC cells are removed to
decrease this type of coupling. Secondly, the remaining
central AMC elements dominantly work as parasitic
radiating sources due to their coupling with the CP
antennas [22], which enhances the gain of the patch. It is
found by simulation that the axial ratio of the antenna is
more sensitive to the currents on the diagonal direction of
the substrate on which corners of the patch are cut. So a
few centering AMC elements on this diagonal direction
are rotated in order to adjust the induced x- and y-
polarized currents. In this way, the AR bandwidth is
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obviously improved without violating the overall phase
cancellation mechanism of the reflector when working in
the scattering mode. After optimization, a rotation angle
of 30° is obtained for this design to balance the
multifunction of high gain, broad AR bandwidth, and low
RCS of the antenna.
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Fig. 4. The RCS pattern for the windmill-formed reflector
at 8.05 GHz: (a) The 3-D pattern, and (b) the 6 = 30°
plane referenced by a metallic plate of the same size.
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Following the convention of [16, 17, 19, 20], the same CP
antenna whose substrate is of the same size with the
proposed antenna, is used as the reference antenna.

I11. RESULTS AND DISCUSSION

A. Simulated radiation properties of the proposed
antenna

Firstly, the radiation performance of the proposed antenna
is examined by simulations. As shown in Fig. 6, the
reference and the proposed CP antennas show almost the
same impedance bandwidths (S1; <-10 dB) 0f9.19 GHz -
11.3 GHz and 9.18 GHz - 11.34 GHz (21.1%). However,
the bandwidth for 3dB AR of the main beam is extended
from 991 GHz - 1034 GHz (42%), to
9.86 GHz - 10.41 GHz (5.43%) by the proposed antenna,
which means 29.3% increment in the AR bandwidth.

As shown in Fig. 7 (a), in the AR band, the gain of
the reference antenna varies between 6.66 dB - 7.34 dB.
In comparison, the proposed antenna yields a gain
between 7.78 dB - 9.42 dB in its AR band. The gain
enhancement is generally over 1 dB in the 3dB AR band,
with a maximum of 2.44 dB at 10.1 GHz and minimum
0f 0.67 dB at 10.25 GHz.

35 ref. antenna
o b pro. antenna
85 90 1.0 115

9.5 10.0 10.5
Frequency(GHz)

(a)

16 ref. antenna
e pro. antenna
12
210
% g
6
4
2
0 Il 1 1
9.0 9.5 10.0 10.5 11.0
Frequency(GHz)
(b)

Fig. 6. (@) The impedance bandwidth, and (b) the AR
bandwidth of the proposed and the reference antennas.
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Fig. 7. (a) Gain of the proposed antenna and reference
antenna, and (b) the RCS reduction of the proposed
antenna for x- and y-polarized normal incidents.

B. RCS reduction of the proposed antenna

The monostatic RCS of the proposed and reference
antennas for x-polarized and y-polarized normal incidents
is also numerically investigated and the results are
presented in Fig. 7 (b). It can be seen that, the proposed
antenna with windmill-formed configuration shows an
RCS reduction by more than 10 dB in a wideband
frequency ranges from 8.35 GHz to 11.34 GHz (30.4%
relative bandwidth) for x-x polarization. For y-y
polarization, the 10dB RCS reduction frequency band is
from 8.4 GHz to 11.4 GHz (30.3% relative bandwidth).
Within the above bands, the maximum RCS reduction
reaches 25.7 dB and 23 dB for x-x and y-y polarizations
respectively. The operating band of the proposed antenna
(9.91 GHz - 10.34 GHz) is covered by the RCS reduction
band, which indicates an in-band RCS reduction is
obtained. Compared with the similar work in [19, 20],
the 3dB AR bandwidth is improved in this design, with
detailed comparison listed in Table 1.
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Table 1: Comparison of the AR bandwidth and RCS
reduction

ACES JOURNAL, Vol. 34, No. 10, October 2019

weeneenegim . of ref.

AR 3dB- AR 3dB- 10dB-
Bandwidth Bandwidth of |Bandwidth
of CP Improved CP | of RCS
Antenna Antenna Reduction
Ref. | 5.87-6.07GHz | 5.93-6.07GHz |13-15GHz
[19] (3.35%) (2.3%) (14.3%)
Ref. |10.95-11.35GHz|10.45-11.85GHz
[20] (3.6%) (12.56%) i
This | 9.91-10.34GHz | 9.86-10.41GHz 1183'22]_'2
paper (4.2%) (5.43%) (?;O 4%)

C. Measurement results of the proposed antenna

The proposed antenna and the reference antenna
were fabricated, with photos shown in Fig. 8. The setup
in the anechoic chamber for measurement is shown in
Fig. 9. The measurement results of Si1 agree well with
the simulation results, as shown in Fig. 10 (a). With
regard to the axial ratio, as shown in Fig. 10 (b),
the bandwidths are wider in measurement than in the
simulation. The 3 dB AR band of the main beam is
9.9 GHz - 10.3 GHz for the reference antenna, with a
bandwidth of 3.96%; while that for the proposed antenna
is 9.8 GHz - 10.4 GHz, corresponding to a relative
bandwidth of 5.94%. In other words, 50% expansion of
the AR bandwidth is obtained in the measurement.

(@) (b)

Fig. 8. The photos of: (a) the proposed antenna and (b)
the reference antenna.

Fig. 9. Measurement setup in anechoic chamber.
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Fig. 10. (a) The S11 and (b) the AR of the proposed
antenna and reference antenna.

The measured antenna gain is provided in Fig. 11
(a), in which improvement can be seen in the proposed
antenna. The variation of the gain in the above AR band
is below 3dB. As plotted in Fig. 11 (b), the measured
radiation patterns agree well with those from the
simulations. The fast changes in measured gain and
the wider AR bandwidth could be attributed to the
fabrication and measurement tolerance.

The monostatic RCSs of these antennas are
measured from 8 GHz to 12 GHz and the results are
provided in Fig. 12. An evident RCS reduction is seen
for the vertical (corresponding to the x-x polarization
in simulation due to the experimental set up) and the
horizontal polarization (corresponding to y-y polarization
in simulation). To be specific, 10 dB RCS reduction is
obtained in frequency band of 8.6 GHz - 12.4 GHz,
corresponding to a relative bandwidth of 32.6% for x-x
polarization. The 10 dB RCS reduction band for y-y
polarization is from 8.73 GHz to 11.95 GHz, with a
relative bandwidth of 31.1%. The measured results of
the RCS reduction generally agree with the simulations



except that the operating band for RCS reduction in
measurement shifts upwards by nearly 1 GHz. This
frequency shift may also be due to the fabrication
tolerance. Despite of this frequency shift, the operating
band of the proposed antenna is still covered by the RCS
reduction band.

g

g

‘=

S
Sl A ---e--eesim. of ref.
4l seeneesim, of pro.

meas. of ref.
3f meas. of pro.
Il 1 Il 1 Il
85 9.0 9.5 10.0 10.5 11.0 11.5
Frequency(GHz)

Fig. 11. (a) The gain and (b) the radiation patterns of the
proposed and the reference antennas at 10GHz.

IV. CONCLUSION

In this paper, an in-band RCS reduction of the
CP patch antenna is obtained by applying a modified
windmill-formed configuration composed of PD-AMCs.
By adopting windmill-formed reflector, backscatterings
from different orientations of PD-AMCs cancel each
other in the far field and lead to low RCS characteristics.
It is verified by simulations and measurements that, 10
dB in-band RCS reduction is obtained with bandwidths
of more than 30% for both x-x and y-y polarizations. By
rotating some key AMC elements in the diagonal of the
windmill-formed reflector, the axial ratio of the proposed
antenna is improved. Referenced by the bare CP patch
antenna, the experimental results show that the AR
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bandwidth of the proposed antenna is extended from
4.2% to0 5.43% in simulation and from 3.96% to 5.94%
in measurement. Gain improvement in the operating
frequency band is also verified.
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Fig. 12. Monostatic RCS of the proposed antenna and
reference antenna.
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Abstract — This paper presents a hew high gain compact
aperture-coupled circularly polarized antenna for WLAN
applications. The proposed antenna comprises an
asymmetric X-shaped slot etched on a circular patch and
fed through the coupling between an annular slot and a
microstrip line. The circular polarization is mainly due
to the asymmetrical crossed-slots, respecting the angle of
450 between its two arms. The antenna with overall size
of 60 x 60 x 5.83 mm? has a measured 10-dB impedance
bandwidth of 36%, a 3-dB axial ratio bandwidth of 3.47%
(5.67-5.87 GHz) and 1-dB gain bandwidth of 19.5%
(4.85-5.90 GHz) with a peak gain of 8.65 dBi. To validate
the simulated results, a prototype was fabricated, and
good agreement between simulations and measurements
has been accomplished.

Index Terms — Aperture-coupled, axial ratio, circularly
polarized (CP), X-shaped slot.

I. INTRODUCTION

Recently, high gain antennas have been widely used
for WLAN applications. To realize this type of antennas,
different techniques are used in literature. These techniques
include the integration of electromagnetic band gap (EBG)
structures in ground plane acting as artificial magnetic
conductor [1-2] or superstrates acting as partially
reflective selective surface [3-5]. In this work, the
aperture-coupled antenna method is used to enhance the
antenna gain without using any EBG structures.

Circularly polarized (CP) patch antennas have
attracted substantial attention in modern wireless
communication systems due to its many advantages such
as more flexibility in the orientation of transmitting and
receiving antennas and polarization mismatch reduction
compared to linear polarization [6-10].

The most popular types of single-fed CP patch
antennas are the slotted and the notched patch [11-16].
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Several methods have been proposed to design single-
feed aperture-coupled antennas with CP [17-21]. The
aperture-coupled antennas were designed and developed
for broadband, high gain, CP and high efficiency
applications. Therefore, single-fed aperture-coupled
antennas with CP characteristics have received greater
attention [17-20] over the past decade.

In this paper, a novel compact aperture-coupled CP
antenna for WLAN applications is proposed. The new
antenna consists of an asymmetric X-shaped slot with an
angle 6 = 45° between its two arms, the slotted antenna
is etched on a circular patch fed through the coupling
between an annular slot and a microstrip line. The CP is
generated by cutting two unequal slots in the circular
patch respecting the angle 6. This paper is organized as
follows. In Section 2, the design of the proposed antenna
is described. Section 3 presents fabrication and measured
results. Finally, concluding remarks are given in the last
Section.

I1. ANTENNA DESIGN

The proposed configurations of the CP antenna fed
through a microstrip-coupled annular slot is shown in
Fig. 1. The X-shaped slot with unequal arms, width Ws,
lengths L; and L, etched on a circular patch and the
annular slot aperture feeding are depicted in the Figs. 1
(b) and 1 (c).

The annular slot with outer radius R, and inner
radius R; with the microstrip feed line are etched on a
Rogers RO4003C substrate of thickness hi, relative
permittivity of 3.38, and loss tangent tan & = 0.0027. The
50-Q microstrip feed line with length L and width W is
printed at the center of the bottom side of the ground
plane and is electromagnetically coupling the energy to
the annular slot. Moreover, the aperture feed is employed
to directly excite the X-shaped slot on the circular patch.
An optimum air gap height of H. between the X-shaped

1054-4887 © ACES



slot antenna substrate and aperture-coupled substrate is
employed. The aperture-coupled substrate of Rogers
RO4003C is identical to the one employed for the X-
shaped slot circular patch.

Superstrate Ihz

|
I H X-shaped slot circular patch
Cc
Substrate hy
|
IZ % ~ Microstrip feed line
(a)

W,

(b) (© (d)

Fig. 1. Geometry of the proposed antenna: (a) side view,
(b) bottom view of the X-shaped slot circular patch, (c)
top view of the annular slot aperture coupling ground,
and (d) the microstrip feed line.

The proposed antenna was simulated using the
commercial software package CST Studio Suite. CST
comprises three different solvers. These solvers are
transient (i.e., time domain) solver based on finite
integration technique (FIT), frequency domain solver
based on finite element method (FEM), and integral
equation solver based on method of moments (MoM).
The transient solver has been adopted in this work due to
its computational and memory-efficient performance.
FIT is a finite difference method based on a small-scale
interpretation of Maxwell’s equations (as opposed to a
large-scale integral equation approach). The formulation
of the FIT utilizes voltage and current (i.e., integral of E
and H fields), on a staggered grid.

Table 1: The detailed dimensions of the proposed
antenna (all dimensions are in mm)

Parameter | Value Parameter Value
W 60 hy 1.524
L 60 h 0.81
L; 15 Hc 35
L, 17 R; 5
Wi 2 Ro 7
Ly 30 | R (circular patch radius) | 9.5
Wi 3.55

Parametric sweep tool in CST is utilized to carefully
choose the feed location, the annular slot and the X-
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shaped slot dimensions in order to obtain good
impedance matching and CP. These dimensions have
been swept within certain boundaries (about + 25% of
the selected value) to enable the calculation of far-fields
or impedances based on the swept parameters. Table 1
presents the selected parametrized dimensions of the
compact aperture-coupled CP antenna demonstrated in
Fig. 1.

The performance of the proposed CP antenna is
studied in order to gain a better insight into the effects
of the X-shaped slot antenna over the whole structure
and how the CP radiation is obtained. Figure 2 depicts
the geometry of the X-shaped slot etched on the circular
patch with different values of the angle 6 between the
asymmetrical crossed-slots of lengths L; and L. The
variation of the angle 6 may affect the impedance
bandwidth and the CP behavior. Figures 3 and 4 show
the parametric studies of the reflection coefficient (S11)
and the axial ratio (AR) versus the angle 6.

The angle 0 is varied from 0° to 90° while L;, L, are
fixed (L1 = 15 mm, L, = 17 mm). Only when 6 = 45° the
impedance matching gets better and covers the WLAN
band as shown in Fig. 3.

Figure 4 shows the variation of AR at broadside.
The AR improves when the angle 8 = 45°, for 6 = 0° and
6 = 90° it can be seen that the minimum AR is about
40 dB, which implies that no circular polarisation has
been achieved.

00 9°
(a A
L L,
Q—Ll—b
0=0° 0 =90° 0=45°

Fig. 2. Geometry of the asymmetrical crossed-slots
etched on the circular patch with variation of theta.

-30- + + Theta=0°
—— Theta = 45°
— -Theta =90°
-40 v r v v v
40 45 50 55 60 65 7.0
Frequency (GHz)

Fig. 3. Simulated reflection coefficient of the antenna
with variation of the angle theta.
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Fig. 4. Simulated axial ratio of the antenna with variation
of the angle theta.
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Fig. 5. Simulated reflection coefficient of the antenna
with variation of H.

The distance between the feeding annular slot and
the X-shaped slot is expected to affect the impedance
bandwidth. Figure 5 shows the parametric studies of the
reflection coefficient (S11) versus the distance Hc. Hc is
varied from 1.5 to 7.5 mm and L, L are fixed (L, = 15
mm, L, = 17 mm). When Hc is increased from 1.5t0 3.5
mm, the impedance matching gets even better, then when
the distance Hc is increased from 5.5 to 7.5 mm the
impedance matching bandwidth shifts down.

Figures 6 and 7 show the parametric analysis of
the reflection coefficient and the AR versus the lengths
of asymmetrical crossed-slots L; and L. Within the
operating frequency band and with an optimum gap
height of Hc = 3.5 mm, only one geometrical parameter
(L) is varied each time and the second parameter (L1)
is kept unchanged. Figure 6 presents the variation of
reflection coefficient with Li>L,, Li=L, and Li<L,. The
S11 bandwidth improves as Li<L, and the impedance
matching also improves and gets even better, with an
impedance bandwidth of 1.7 GHz (from 4.8 GHz to 6.5
GHz) which is about 30%. Figure 7 shows the variation
of AR at broadside, with L1>L,, Li=L, and Li<L,.

Frequency (GHz)

Fig. 6. Simulated reflection coefficient of the antenna
with Li>L,, Li=L, and Li<L..

- L1>L2
= -LAL
L<L,

5.0 55 6.0 6.5 7.0
Frequency (GHz)

Axial ratio (dB)
oL perg oI
\

Fig. 7. Simulated axial ratio of the antenna when Li>Lo,
L;=L, and L;<L,.

The minimum AR improves when Li<L, with a
3-dB bandwidth of 3.47% (5.67-5.87 GHz) and a
minimum AR value of about 2 dB at 5.75 GHz.

I11. FABRICATION AND MEASUREMENT
RESULTS

Using the annular slot and the X-shaped slotted
circular patch etched on the bottom face of a superstrate,
two superposed layers were assembled, and a prototype
was fabricated as shown in Fig. 8. The antenna prototype
was measured in a standard anechoic chamber. Foam
is used for maintaining the air space between the two
layers. An optimum gap height of He = 3.5 mm, which
is M15 at 5.8 GHz, is verified experimentally. The
reflection coefficient (S11) is measured using an Agilent
Vector Network Analyzer (VNA) 8722ES. Figure 9
shows the simulated and measured reflection coefficients
of the proposed CP antenna. Simulated results show that
the reflection coefficient is below -10 dB within the
frequency range from 4.8 GHz to 6.5 GHz with an



impedance bandwidth of 1.7 GHz, which is about 30%.
The impedance bandwidth of the fabricated CP antenna
is 2 GHz from 4.5 GHz to 6.5 GHz, which is about 36%.
It can be observed that a measured wideband reflection
coefficient is achieved. The measured impedance
bandwidth agrees with the simulated one. In addition,
the trivial discrepancy between the simulation and
measurement results is attributed to the unavoidable
fabrication tolerance.

(b) .

Fig. 8. Photograph of the fabricated prototype: (a) top
view of the feeding annular slot, (b) microstrip feed line,
and (c) bottom view of the X-shaped slot.

The simulated and measured AR are shown in Fig.
10. It can be seen that the measured AR has a lowest
value of 1.6 dB at 5.8 GHz and 3-dB AR bandwidth
of 3.47% form 5.67 GHz to 5.87 GHz. The lowest value
of the simulated AR is about 1.83 dB at 5.8 GHz that
supports WLAN bands. The 3-dB AR simulated
bandwidth is still located within the impedance bandwidth
of the proposed antenna and agrees well with the
measured one.

Figure 11 shows the simulated and measured gain
of the proposed CP antenna. It is illustrated that the
simulated 3-dB gain bandwidth is about 46.62% (4.08-
6.56 GHz), with a maximum gain of 8.85 dBi. The
measured 1-dB gain bandwidth is about 19.5% from 4.85
GHz to 5.90 GHz. The maximum measured gain is about
8.65 dBi. The common bandwidth for measured 10-dB
impedance and 1-dB gain is about 19.5% (4.85-5.90
GHz). It is worth mentioning that the measured gain
is quite uniform with frequency over the operating
bandwidth and agrees well with the simulated results.

Figure 12 shows the simulated and measured
radiation patterns for both right-hand CP (RHCP) and
left-hand CP (LHCP) at 5.8 GHz for phi=0° and phi=90°
planes. It can be observed that the RHCP is radiated in
the +Z direction, whilst LHCP in the -Z direction. In
addition, the trivial discrepancy between the simulated
and measured radiation patterns is attributed to the
unavoidable fabrication tolerance and the presence of
noise during the far-field measurement.
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Fig. 9. Simulated and measured reflection coefficient of
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Table 2 presents a comparison of the proposed
antenna with some previously published designs. As can
be seen, the novel compact aperture-coupled CP antenna
presented in this work has a better performance in terms
of gain and 3-dB AR bandwidth compared with the
published designs.

IV. CONCLUSION
A novel high gain compact aperture-coupled
circularly polarized antenna for WLAN applications has
been presented. The reported results have demonstrated
that the circular polarization is obtained by employing
the asymmetric X-shaped slot with an angle 6 = 45°
between the two arms etched on a circular patch antenna.
Furthermore, the air gap between the X-shaped slot
antenna substrate and the annular slot feeding substrate
was used to maintain the gain of the proposed antenna.
Consequently, the measured 1-dB gain bandwidth of
19.5% (4.85-5.90 GHz) and 3-dB AR bandwidth of
3.47% (5.67-5.87 GHz) are well overlapped by the
measured 10-dB impedance bandwidth of 36% (4.5-6.5
GHz). The antenna has a maximum gain of 8.65 dBi.
Measured results confirm that there is a good agreement

between simulations and measurements.
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Table 2: Comparison of the proposed antenna with some previously published designs

Ref. Size (mm3) Freq. (GHz) | S11 BW (%) Gain Max 3-dB ARBW (GHz, %)
[16] | 12%0x12Ax16 | 24/58 14.3/8.1 3.7/3.2 dBi (=5.7-5.93), 4.1
[22] [133.2x 133.2 x 32.54| 372.75) | 14 8418070 | 5.95/6.92/6.37/6.07 dBic 5.7-5.87, 2.9
(3.4-8)
[23] 30 x 30 x 3.048 (2('543:52)2) 3.63/13.11 6.6/6 dBi (=5.85-5.97), 2.03
P;r‘]’t";‘r’;‘;d 60 x 60 x 5.83 (4.5-6.5) 36 7.8 dBi 5.67-5.87, 3.47
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Abstract — A broadband circularly polarized (CP)
antenna with improved gain is proposed. The broadband
CP antenna consists of two folded off-center-fed dipoles.
Due to the two-dipole configuration, the antenna gain is
improved by almost 2 dB. It is shown by simulation and
experiment that the broadband CP antenna achieves
an impedance bandwidth of 52% (1.71-2.89 GHz) for
reflection coefficient<-15 dB and an axial ratio (AR)
bandwidth of 45% (1.75-2.73 GHz) for AR<3 dB. The
average antenna gain is about 10 dBi. A differentially-
fed broadband CP antenna is also developed. Simulated
and measured results show that the differentially-fed
CP antenna fulfills an impedance bandwidth of 60%
(1.53-2.83 GHz) for differential reflection coefficient
<-15 dB and a 3-dB AR bandwidth of 44% (1.76-2.75
GHz). The average antenna gain is about 10 dBi. The
gain-improved broadband CP antennas feature a simple
planar configuration, which are suitable for applications
in satellite/wireless communications.

Index Terms — Broadband antenna, circularly polarized
antenna, differentially-fed antenna.

I. INTRODUCTION

Circularly polarized (CP) antennas have been widely
used in satellite and wireless communications. Modern
high-speed satellite and wireless communications usually
require broadband CP antennas. For the long-distance
wireless communication, an antenna with a high gain
may show outstanding advantages in increasing the
signal strength, improving the data rate and enhancing
the communication quality. In recent years, a number of
broadband CP antennas have been developed [1-11].
The performances of impedance bandwidths, bandwidths
for axial ratio < 3dB, and the antenna gains of those
CP antennas are listed in Table 1. The bandwidths of
the antennas presented in [1-3] are not wide enough.
Though the CP antennas in [4-11] have wide overlapped
bandwidth for impedance matching and AR, these CP
antennas have an average antenna gain of 6-8 dBi, which
cannot meet the requirement for high-gain applications.

Differential circuits are important for communication
systems due to their superior advantages of noise
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immunity, mode current elimination, and fundamental
harmonic rejections [12]. Several differentially-fed CP
antennas have been proposed in [13-21]. However, most
of the antennas either have an overlapped bandwidth of
less than 40% for impedance matching and AR or have an
antenna gain no higher than 10 dBi. Some can neither meet
the requirement of wide bandwidth nor high gain [13],
[16]. Therefore, broadband CP antennas with high gain
is desirable for long-distance wireless communication
applications.

In this paper, we propose a broadband CP antenna
with an average gain of 10 dBi and an overlapped
bandwidth of 45% for reflection coefficient<-15 dB and
AR<3 dB. A differentially-fed broadband CP antenna is
also developed, which achieves an impedance bandwidth
of 60% (1.53-2.83 GHz) for differential reflection
coefficient<-15 dB and a 3-dB AR bandwidth of 44%
(1.76-2.75 GHz) with an antenna gain of 10 dBi.

Table 1: The performances of the CP antennas

Ref. | Impedance BW AR BW Gain (dBi)
[1] 13.9% 8.3% 8
[2] 20.5% 11.5% 5.8
[3] 24% 24% 8
[4] 50.2% 27% 6.2
[5] 54.9% 53% 7
[6] 60% 55% 8
[7] 62.3% 61.7% 6
[8] 66.2% 41.3% 6
[9] 74.4% 70.8% 7.4

[10] 93.1% 90.9% 5
[11] 106.1% 89.7% 6
[13] 5.3% 5.3% -
[14] 18% 17.9% 14
[15] 18% 16.7% 14.6
[16] 25.4% 22.8% 6.9
[17] 35.5% 24.69% 9.32
[18] 53.9% 35% 7.6
[19] 60.5% 31% 8
[20] 46.9% 49.5% 4.7
[21] 52% 32% 11.1

1054-4887 © ACES



I1. BROADBAND CP ANTENNA

A. Antenna configuration

The configuration of the broadband CP antenna is
illustrated in Fig. 1. It consists of two folded off-centre-
fed dipoles which are fed by a co-planar strip line. A T-
shaped probe is used to feed the CP antenna through
the co-planar strip line. The folded dipoles are printed
on the back side of a dielectric substrate (Rogers 4350B,
g = 3.48 and thickness = 0.76 mm) while the T-shaped
probe is etched on the front side of the substrate,
featuring a planar configuration. A coaxial line is used to
excite the antenna through the port. At the port, there is
a non-metallic via through which the inner conductor of
the coaxial cable is connected to the T-shaped probe. The
outer conductor of the coaxial cable is soldered to the
coplanar strip line.

The broadband CP antenna is placed above a metal
reflector for unidirectional radiation pattern. The total
height of the antenna is 33 mm, about 0.24, (A is the
free-space wavelength at the center frequency 2.2 GHz).
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Fig. 1. Configuration of the broadband CP antenna (unit
in mm).

B. Operating principle

To explain the operating principle of the broadband
CP antenna, the current distributions on one of the
two folded off-centre-fed dipoles at 1.8 and 2.6 GHz
are plotted in Fig. 2. The magnitudes of the currents at
1.8 and 2.6 GHz have no significant difference. A 90°
difference in phase is observed at both frequencies for
the currents on two perpendicular sections (ABCD and
DEF, AB_LEF and CD_DE) of the folded dipole, which
is required for circular polarization.

For dipole antennas, it is known that the distance
between the antenna and the reflector plays an important
role for the impedance matching and axial ratio due to
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effects from the image currents. For this broadband CP
antenna, the antenna height also influences the antenna
gain. As displayed in Fig. 3, with the increase of the
antenna height, the antenna gain first gets improved then
turns worse. The optimized value for the antenna height
is 33 mm when a high gain of about 10.5 dBi is obtained.
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Fig. 2. Current distributions on one of the two folded off-
center-fed dipoles of the broadband CP antenna.
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Fig. 3. Antenna gain of the CP antenna with different
antenna height.

C. Results

The broadband CP antenna has been fabricated and
measured. Figure 4 shows a prototype of the fabricated
antenna. A semi-rigid coaxial cable is connected to
the feeding port for measurement. The simulated and
measured S-parameters are plotted in Fig. 5. The
impedance bandwidth for refection coefficient (|S11|)
<-15 dB is about 52% (1.71-2.89 GHz). The simulated
and measured results for axial ratio (AR) and gain are
demonstrated in Fig. 6. The bandwidth for AR<3 dB
is about 45% (1.75-2.73 GHz). The averaged antenna
gains are about 10 dBi. The improved gain is due to the
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two-dipole configuration. The simulated and measured
radiation patterns at 1.75, 2.2, and 2.7 GHz are depicted
in Fig. 7. The radiation patterns are stable over the
frequency range 1.75-2.7 GHz.

(b)

Fig. 4. Prototype of the broadband CP antenna: (a)
perspective view and (b) back view.
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Fig. 5. S-parameters of the broadband CP antenna.
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Fig. 6. Axial ratio and gain of the broadband CP antenna.
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Fig. 7. Radiation patterns of the broadband CP antenna:
(@) 1.75 GHz, (b). 2.2 GHz, and (c) .2.7 GHz.

I11. DIFFERENTIALLY-FED CP ANTENNA

A. Antenna configuration

The configuration of the differentially-fed CP
antenna is illustrated in Fig. 8. The CP antenna consists
of two folded off-center-fed dipoles which are excited by
a co-planar strip line. A short stub is used to bridge over
the two strips of the coplanar strip line at the center of
the two folded dipoles. The CP antenna is differentially
fed through two coaxial cables at ports 1 and 2. The
folded dipoles are printed on the back side of a dielectric
substrate (Rogers 4350B, ¢ = 3.48 and thickness = 0.76
mm) while the short stub is etched on the front side of
the substrate, featuring a planar configuration. The total
size of the CP antenna is 74 mm x 56 mm (0.5410x0.410).
The differentially fed CP antenna is placed above a flat
square metal reflector with a size of 200 mm x 200 mm.
The antenna height is H=33 mm (0.24X,). Four plastic



posts are employed to support the CP antenna.
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Fig. 8. Configuration of the differential-fed broadband
CP antenna (unit in mm).
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B. Operating principle

An equivalent circuit for impedance matching of the
differentially-fed CP antenna is sketched in Fig. 9. The
input impedance of each folded off-center-fed dipole is
found to be Z~260 Q. The input impedance required to
match the differential feed is Zj,~100 Q. Therefore, the
coplanar strip line is composed of two sections: one
with a characteristic impedance of Zy1~260 Q2 matching
to the folded dipole and the other with a characteristic

impedance of Zp,~200 ©Q matching to the differential
feed.

Ly Zo~260Q
N

A

Z~260Q

Z,~100Q

Fig. 9. Equivalent circuit for impedance matching of the
differential-fed CP antenna.

The effects of the antenna height on the AR and
gain is displayed in Fig. 10 and Fig. 11, respectively. The
antenna height has significant influences on the AR. It
can be observed that the antenna gain gets improved with
the decrease of the antenna height. The optimized value
is determined to be 33 mm for the trade-off between the
optimized AR and antenna gain.

C. Results

The broadband differentially-fed CP antenna has
been fabricated and measured. A prototype of the
fabricated differentially-fed CP antenna is picture in Fig.
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12. The simulated and measured differential coefficients
|Sdd| are plotted in Fig. 13. The bandwidth for |Sqq|<-15
dB is about 60% (1.53-2.83 GHz). The simulated and
measured for AR and gain are depicted in Fig. 14. The
measured 3-dB AR bandwidth is about 44% (1.76-2.75
GHz). The averaged antenna gains are about 10 dBi. The
measured radiation patterns at 1.7, 2.2, and 2.7 GHz are
compared in Fig. 15; good agreement is observed.
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Fig. 10. Axial ratio of the differential-fed CP antenna
with different antenna height.
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Fig. 11. Antenna gain of the differential-fed CP antenna
with different antenna height.

(b)

Fig. 12. A prototype of the differential-fed broadband CP
antenna: (a) perspective view and (b) back view.
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Fig. 13. Differential coefficient (|Sqq|) of the differential-
fed broadband CP antenna.
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Fig. 14. Axial ratio and gain of the differentially-fed
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Fig. 15. Radiation patterns of the differential-fed
broadband CP antenna: (a) 1.8 GHz, (b) 2.2 GHz, and (c)
2.7 GHz.

1V. CONCLUSION

A broadband CP antenna with improved gain is
developed. The broadband CP antenna achieves an
average antenna gain of about 10 dBi, ~2 dB higher
than most existing CP antennas in literatures. The gain
improved CP antenna also has better impedance
matching than most CP antennas; the impedance
bandwidth for reflection coefficient<-15 dB is about
52%. A differentially-fed broadband CP antenna is
also developed. The impedance bandwidth achieved by
the differentially-fed CP antenna is about 60% (1.53-
2.83 GHz) for differential reflection coefficient<-15 dB
and the 3-dB AR bandwidth obtained is 44% (1.76—
2.75 GHz). The averaged antenna gain is about 10 dBi.
The broadband CP antennas feature a simple planar
configuration and thus may find applications in satellite/
wireless communications.
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Abstract — A polarized beamforming method of antenna
array is addressed here. In this method, digital
polarization synthesis (DPS) and digital beam forming
(DBF) are processed separately in sequence. It synthesizes
linearly-polarized antenna array into a circularly-
polarized antenna whose main beam can scan in azimuth
direction. The synthesis process and how the sequence
affect the results are both expressed. It can be derived
that with DPS-DBF (DPS first and DBF next), the beam
is more smooth and has a better circular polarization in
the main beam. This method can be used in solar radio
observations and other systems that require wideband
polarization measurements.

Index Terms — Antenna array, DBF, DPS.

I. INTRODUCTION

Polarization observation in the radio frequencies is
critical to scientific studies in solar physics. Especially,
circularly polarized signals are frequently used to infer
the emission mechanism and the angle between the wave
vector and the magnetic field. In order to meet the needs
of the fine structure observation, the parabolic antenna
or antenna arrays are always used to receive signals.

At meter or decameter wavelength, the parabolic is
hard to construct, the antenna arrays are more commonly
used. Then, due to the demand of circularly polarized
observation, the polarization synthesis (PS) and beam
forming (BF) are required. In some current solar
radio observational systems, PS and BF are mostly
implemented with analog devices (called APS and ABF),
such as power combiner and phase shifter, they provide
constant phase shift. Some systems uses hybrid digital
and analog methods [6]. Some other systems use an
identical coefficient matrix for both the PS and BF, such
as the iterative least squares method [1,2,5], convex
optimization [3,8], and other synthesizing methods
[7,9,11]. However, according to the measuring methods
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[10], measurements indicate that the axial ratio of these
antenna sets (the cross LPDA and the hybrid coupler)
is greater than 3 dB and reaches as high as 6 dB at
some frequencies. That will lead to a low accuracy of
polarization measurement, especially when dealing with
wideband antennas.

A DPS method has been proposed for the cross-
LPDA [4]. Here the DPS method is used in an array, and
is carried out with the DBF in sequence separately in
FPGA. The sequence of the two processes may affect the
results, so whether and how it affects will be discussed
in this work.

Il. THE PROPOSED METHOD

The DPS and DBF methods both starts with the
radiation patterns of the antennas. In this work, a three
elements dual-polarized antenna array is used, each
element is a cross-LPDA, which is constructed by two
LPDAs placed horizontally and vertically.

Normally, the radiation pattern of an antenna in
spherical polar coordinates can be expressed as follows:

ins (0
Eaem( ?)

E(0.0) = 1)

E ejvw(g'(ﬂ) '
[4
The upper and lower terms in the brackets represent
the electric component in the ¢ and ¢ directions
(vertical and horizontal). In a dual-polarized antenna
system, two antennas placed horizontally and vertically
are generally called Ey and Ev, respectively:

EHVejWHv('g"/’)
S 80) = [EHHeJ"HH(H"”) ! @
Ewejﬂvv(g"/’)
Ev (9' (0) = [E\, ei’NH('gv‘P) : (3)
H

According to the direction of the antenna, the
two items in the brackets indicate the co-polarization
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component (subscript HH (horizontal radiation component
of the horizontal antenna) and VV (vertical radiation
component of the vertical antenna)) or the cross-
polarization component (subscript HV (vertical radiation
component of the horizontal antenna) and VH (horizontal
radiation component of the vertical antenna)), respectively.
The radiation pattern is mainly decided by the excitation
current and the antenna itself, and can be derived through
simulation or measurement.

The three element dual-polarized antenna array then
can be expressed as Eni, Evi, Enz, Ev2, Ens, Eva. The

EHl [ ] o
~(OPSL)— Ea |
EVl I
Bro 4 -
(0PS2)— Ea [—(DBF )| Ko
EVZ I
Ens o
(OPs3)—| & |-
EV3

(a) DPS-DBF
Fig. 1. Flowcharts of the two processes.

In the DPS process, the synthesizing coefficients are
deduced from the simulated or measured data, and then,
the coefficients are used for synthesis.

The synthesis process aims to find a complex factor
(k = a+ jB, where a and B are real numbers) as a
weighting in the vertical channel (Ev). Instead of the
constant phase shift in APS, the complex factor is
deduced from simulated or measured data. Then, the two
linearly polarized antenna patterns are converted into
left-handed and right-handed polarized antenna patterns
by the following equation, where the parameters related
to circularly polarized antennas are indicated by the
subscript C:

E i (0.90) i (0.9) E inew
[ n € +((Z + jﬂ) Ewe _ | Een®

E ej’/Hv (Q’W) Evvei'lvv (6.9) Ecvej']CV
HV
_ o (4)
For the left-handed circular polarization,

T

ECH = EC\/, Moy = Mew = E (5)
For the right-handed circular polarization,
T

ECH=EC\/, ey — Tlew :_E- (6)
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proposed method deals with the DPS and DBF separately.
There will be two kinds of processes, one is carry out
DPS first and DBF next (named DPS-DBF), the other
one is carry out DBF first and followed by DPS (named
DBF-DPS), the flowcharts are shown in Fig. 1. With
DPS-DBF, the three cross-LPDA are synthesized into
three circularly polarized antennas first, and then they
are beam formed. With DBF-DPS, the three horizontal
polarized antennas and the three vertical polarized
antennas are beam formed first, and then the two linearly
polarized antennas are polarization synthesized.

EVl 1

DBF1 )~ Ej
S //"7"*
}\DP,S%

\
\
|
I
Eva {-F—(DBF2 — Ey

-

EV3 [

(b) DBF-DPS

E

E,. 7.  E, and 7, ) can be obtained from either
simulation or measurements, and E_, , E,, can be

derived according to the law of energy conservation, and
then, o and B expressed with the antenna parameters can
be calculated by equation 4.

The DBF uses typical pattern synthesis method
combining to the Taylor line source synthesis method. It
synthesizes antenna patterns of the same polarization.
Take horizontal antenna DPS as an example, the method

can be expressed by equation (7). ¢, c,, c, are three

The antenna parameters ( E

i Tk Bav o Ty

complex factors. Set ¢, = 1, the relative phase shift and
weighting coefficients are represented as c,, c,, which

can be calculated by the frequency, the element spacing,
beam pointing direction and so on:

E, =¢xE, +CxE, +¢xEy. (7

I11. SIMULATION OF THE ARRAY
A 30~150MHz dual-polarized cross-LPDA (log
periodic antenna) array is simulated and fabricated, as
shown in Fig. 2. It is consist of three 16-dipole cross-
LPDA. The length of the dipole ranges from 0.54m to
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4.96m, the height of LPDA is about 5.3m. The interval be seen that all the reflection coefficients are below -10
of the antennas is 5m, and the reflector is 15.5m long and dB, and the isolations are all below -25 dB in the whole
5.15m wide. The S-parameters are shown in Fig. 3. Iltcan ~ working band.

Fig. 2. The simulated model and the photo of the antenna array (three cross-LPDA with a flat reflector) installed at

the Chashan solar radio station and operated by the Laboratory for Radio Technologies, Institute of Space Sciences
at Shandong University.

S-parameters (dB)

-100

50 100 150 200
Frequency (MHz) $64..

Fig. 3. S-parameters of the antenna array.

The 3dB beam width over the working frequency is ~ 90°. Hence, the array can scan in the range of -45°~45°,
shown in Fig. 4. It appears that the beam width is all above In a day, the sun passes about 15° per hour. When set 0°



points to the south (i.e., 12:00 noon), the array can be

125
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used to observe the sun from 9:00 to 15:00 every day.

120}

—_
—_
W

3dB Beamwidth (dB

95

50 100

150 200

Frequency (MHz)

Fig. 4. 3dB beam width over frequency.

The simulated radiation patterns and the axial ratios
of the three elements of the cross LPDA array are shown
in Fig. 5. The results of the vertical ports are presented
in Figs. 5 (a-b), and that of the horizontal ports are in (c-
d). From Figs. 5 (a) and (c), it can be seen that the pattern
of the three ports are almost the same, which shows good
consistency. The maximum gains are both approximately
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7.6 dB. From Figs. 5 (b) and (d), at the whole main beam
(approximately -45°~45°), the axial ratios of the three
ports are both greater than 35 dB, indicating good linear
polarizations. The vertical ones have higher purity of
linear polarization, the axial ratios of which are all higher
than 40 dB.
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Fig. 5. The axial ratio and gain of the LPDA versus the angle (0° is the main radiation direction of the antenna) at a
typical frequency of 90 MHz. Top panel: 3 vertical ports. Lower panel: 3 horizontal ports.
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IV. ALGORITHM TEST AND
COMPARISONS

Here we talk about the performance of the two kind
of processes, DPS-DBF and DBF-DPS. The proposed
method can be used in the main scan range, 0°, £10°,
+20°, £30°, £40° are tested. The simulated results show
accordant consequences. Here we present 0° and 10° as
an example to compare the two kinds of processes.

A. Pointing to 0°
a) DPS-DBF

In this case, DPS is processed first, the three sets of
cross-LPDAs are separately polarization-synthesized to
circular polarization at 0°, as in Fig. 1 (a). The results are

15
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shown in Fig. 6. It shows that the axial ratio of the three
sets are all 0 dB at 0°, and are lower than 3 dB in the
main lobe. This indicates a good circular polarization
performance. In addition, the maximum gain is 3 dB
higher than the value before synthesis. This is due to the
sum of energy of the two linearly polarized antennas.
Then, the three sets of synthesized circularly
polarized antenna patterns are beam formed, the results
are shown in Fig. 7. It can be seen that the axial ratio is
still 0 dB at 0°, which shows pure circular polarization.
Moreover, the axial ratio is relatively flat over the
frequency. The maximum gain is about 20 dB, 3 dB
bandwidth is about 10°, the gain of the first side beam is
about 17 dB, which is 3 dB lower than the main beam.

40
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Fig. 6. The axial ratio and gain of the three sets of antenna elements after DPS at 0°.
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Fig. 7. The axial ratio and gain after DPS-DBF at 0°.

b) DBF-DPS

In this case, the three horizontal patterns and the
three vertical patterns are first beam formed separately,
as in Fig. 1 (b). The results are shown in Fig. 8. It shows

40

\

Angle (deg)

[ [9%)
O (=]

Axial Ratio (dB)

—
O

that the maximum gain is still appears at 0°, but there is
a sharp drop next to the main lobe, and the entire pattern
is very uneven. The maximum gain of the side beams are
only 1 dB lower than that of the main beam in the two cases.
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Fig. 8. Gain of the two patterns after DBF at 0°: (a) horizontal and (b) vertical.

On this basis, the two linearly polarized patterns are
polarization synthesized to become a circularly polarized
pattern. The axial ratio and gain are shown in Fig. 9. It
can be seen that at 0°, the axial ratio is 0 dB, and the gain
is 16.89 dB. The maximum gain of the side beam is

X:0
X:-100 v 16.89
Y:14.92
15+ u

Gain (dB)

-50 0 50
Angle (deg)

Fig. 9. The axial ratio and gain after DBF-DPS at 0°.

B. Pointing to 10°
This part talks about the scanning capability.

a) DPS-DBF

The three sets of cross-LPDA patterns are separately
polarization-synthesized at 10°, as in Fig. 1 (a), and the
results are shown in Fig. 10. It shows that maximum gain
appears in 10°, the axial ratio of the three sets are all
0 dB at 10°, and it is lower than 3 dB in the main lobe.
This indicates a good circular polarization performance.

14.92, only 2 dB lower than the main beam, so further
side-lobe suppression is required. In addition, the gain is
not smooth and the main lobe is very narrow. Therefore,
when the observation direction is slightly deviated, the
observed results may have great errors.

50
A40 r
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=
530
=
o~
E 20+
>
<
10+ X: 0
Y:0
0 : . :
-50 0 50
Angle (deg)

Then, the three sets of patterns are beam formed, the
results are shown in Fig. 11. It can be seen that the
maximum gain is 19.87 dB, 3dB bandwidth is about 10°,
the gain of the first side beam is 18.31 dB, which is 1.5
dB lower than the main beam. The axial ratio is still 0 dB
at 10°, and is lower than 3 dB only in the main beam.
That means the main beam is circularly polarized, and
the side beam is not. Then, considering the axial ratio,
when sun goes to 10°, the main beam is pointing to 10°,
the side beam can receive few circularly polarized signals.
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Fig. 11. The axial ratio and gain after DPS-DBF at 10°.

b) DBF-DPS

This time, the three horizontal patterns and the three
vertical patterns are beam formed to 10° first, the results
are shown in Fig. 12. It shows that the maximum gain
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Fig. 10. The axial ratio and gain of the three synthesized antenna elements after DPS at 10°.
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is still appears at 10°, but the first side lobe is almost

as high as the main lobe,
uneven.

and the entire pattern is very
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Fig. 12. Gain of the two patterns after DBF at 10°: (a) horizontal and (b) vertical.



Then, the two ports are polarization synthesized.
The axial ratio and gain are shown in Fig. 13. It can be
seen that at 10°, the axial ratio is 0 dB, and the gain is

20 . X:10
Y: 16.6
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=

W

-50 0 50
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Fig. 13. The axial ratio and gain after DBF-DPS at 10°.

The results in 0° and 10° are compared in Table 1.
With DPS-DBF, the total gain is larger, the axial ratio is
smoother and circularly polarized in the main beam
range. But with DBF-DPS, the axial ratio and gain both
change greatly, so it can only be used in a very narrow
range near the pointing point. In our work of solar
observation, the DPS-DBF is more suitable.

Table 1: Comparison of the two processes

Pointing Direction 0° 10°
DPS- | DBF- | DPS- | DBF-
DBF | DPS | DBF | DPS

20.22 | 16.89 | 19.87 | 16.6

Process

Maximum Gain
(dB)

Maximum Gain of
side beam (dB)

17.21 | 14.92 | 18.31 | 14.14

V. CONCLUSION

This paper discusses methods based on the demands
of solar observation. They are used to synthesize linearly
polarized antenna array into circularly polarized antenna.
The results related to the sequences of DBF and DPS. It
shows that with the DPS-DBF process, the synthesized
antenna has a larger gain and better circular polarization
at every directions.

These methods are also applicable to other fields
which need polarized beam forming. When the
measurement is carried out in real environments, the
environmental interference and the inter-coupling
between the antenna elements are also taken into
account. It is easy to use when the measured errors can
be neglected, and the axial ratio is reasonable. Even
when the measurement is difficult to complete, we can
first use the simulated data to deduce the synthesis
parameters and then bring them into the system for
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the largest, which is 16.6 dB. The maximum gain of the
side beam is 14.14 dB, only 2 dB lower than the main
beam.
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observation and calibration.

In addition, as the DPS and DBF are working as two
independent computational processes, this method can
also be used to synthesize two-dimensional arrays.
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Abstract — A multiband dual-antenna design for multi-
input-multi-output  (MIMO) operation in mobile
terminals is presented. The proposed dual-antenna
system is composed of two symmetric antenna elements,
and each of them consists of one driven branch and one
parasitic branch. The dual-antenna system uses a simple
decoupling structure to reduce the mutual coupling
between two antenna elements. The impedance
bandwidth with active |S11|<-6dB covers two frequency
bands of 700-960 and 1710-2690 MHz, and the isolation
between the two antenna elements is better than 10dB
within most of the operating bands. The envelop
correlation coefficient, mean effective gain, diversity
gain, and channel capacity are calculated exhaustively
based on the three-dimensional radiation patterns. The
results show that the antenna system has good diversity
performance, which makes it suitable for MIMO
operation in mobile terminals.

Index Terms — Decoupling structure, mobile terminal,
multiband  antenna,  multiple-input-multiple-output
operation.

I. INTRODUCTION

MIMO technology can exponentially increase the
data transfer rate and spectrum efficiency without any
need of increasing the transmission power and bandwidth.
At present, MIMO technology has been widely used in
base stations, but its application is rather limited in
mobile terminals due to crowded space. For antennas
in mobile terminals with long term evolution (LTE)
functions, the operating bands should cover the LTE
700/2300/2500 (704-787/2300-2400/2500-2690 MHz),
UMTS (1920-2170 MHz), GSM 850/900 (824-894/880-
960 MHz), DCS (1710-1880 MHz), and PCS (1850-1990
MHz) bands. Meanwhile, in order to ensure that the
system has good MIMO performance, high isolation is
required between antenna elements. However, because
of limited space in mobile terminals, it is difficult
to obtain a wide operating band and high isolation
simultaneously. Thus, multiband design and inter-
elements decoupling are two major challenges for a good
MIMO antenna system in mobile terminals.
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Recently, several techniques have been proposed
to design multiband dual-antenna system for mobile
terminals [1]-[5]. In [1], a dual-antenna system consisting
of two alphabetic-letter-shaped elements was presented
for LTE wireless devices. In [2], a multiband dual-
antenna system with high isolation using slotted and
protruded ground was presented. A decoupled dual-
antenna system with a neutralization line (NL) loaded
between the antenna elements was proposed for
smartphone applications in [3]. In [4], a dual-antenna
system using the decoupling structure with embedded
inductors and two crossed NLs was proposed for LTE/
WWAN applications. In [5], a multi-antenna system
consisting of inverted-F and open-slot antennas was
proposed for LTE MIMO operation. However, there
are some deficiencies in previous designs, such as
insufficient operating bands [1]-[3], overly complicated
structures with folded branch and lumped components
[3]-[5], and large sizes [5] etc. In addition, MIMO
technology requires all antennas to work simultaneously,
but in previous works only the performance of a single
antenna was considered, i.e., only one antenna was excited
while other antennas were terminated by matched loads.
Thus, strictly speaking, this type of antenna system can
only be used for the selection-diversity technique, because
it allows one antenna to work normally at a time.

In this letter, a design of multiband dual-antenna
for mobile terminals is presented. Compared with the
previous work, the antenna presented in this paper has
a simpler structure and is easy to fabricate under the
premise of covering all the required frequency bands.
The decoupling structure is theoretically analyzed and
the results are in good agreement with simulation
and measurement. The simulated and measured results
indicate that the proposed antenna design has good
MIMO performance.

I1. ANTENNA DESIGN
The antenna is modeled by ANSYS HFSS, as shown
in Fig. 1 (a). The antenna is placed in an air box with
radiation boundary. The size of the box is 350x300x220
mm?&, and the distance between the box boundary and the
antenna is quarter of the wavelengths at 700 MHz. The
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antenna is printed on a FR4 substrate with ¢=4.4 and
tand=0.02. The size of the substrate is cut to 135x80x0.8
mm? to simulate actual mobile terminals of a 6.2-in
screen. As in Fig. 1 (b), each antenna element is
composed of a dual-line driven branch and a meander-
line parasitic branch. The operating band of the longer
folded-line in the driven branch covers part of the lower
frequencies (800-960 MHz), and the shorter line operates
at the higher frequency band (1710-2690 MHz). The
parasitic meander-line provides an additional resonant
frequency around 750 MHz. Each driven branch is
connected to a 50-Q coaxial line at the feeding point. Fig.
1 (d) shows the decoupling structure which is divided
into two parts: the inverted L-shaped strip is designed to
reduce the interference of the parasitic branch to the
driven branch, and the fence-shaped strips in the middle
are used to improve isolation between the two antennas
elements. Compared with [4] under the same ground
clearance (15mm), this layout makes full use of the
limited space, which avoids folding antenna structure in
the thickness direction and then reduces the profile of
the antenna. Furthermore, the antenna structure is much
simpler than those presented in [3]-[5] and is easy to
fabricate since no additional lumped element is needed.
Through detailed parametric studies, the optimum
dimensions of the antenna are listed in Table 1.
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Fig. 1. The proposed dual-antenna system. (a) Simulation
model, (b) two antenna elements, (c) sizes of the antenna
elements, and (d) decoupling structure.

Table 1: Optimum dimensions of the antenna (Unit: mm)
Parameters | L1 L2 L3 L4 L5 L6
Values 129 | 28 44 | 24 7 6
Parameters | L7 L8 L9 | L10 | L11 | L12
Values 13 | 125 1.7 15 26 12
Parameters | L13 | L14 | Ls wl w2 | w3
Values 4 13 0.5 1 0.5 1
Parameters | w4 | w5 sl
Values 1 1.2 1

A. Antenna structure analysis

MIMO technology requires that all antennas should
work simultaneously. Therefore, active S-parameters of
the proposed antenna are considered, and the active
reflection coefficient Sii, of a single antenna is related to
the passive S-parameters S1; and S, as follows:

Slla :(Sllai+512a2)/312811+812 (az/ai) ) (1)
where, a; and a; are the normalized incident waves at the
two ports if we consider the antenna system as a two-port
network. The simulated |Si14| of the proposed antenna with
and without the parasitic branch are given in Fig. 2. It
is clear that the parasitic branch extends the operating
bandwidth by adding a resonance at 750 MHz. The current
distributions on the two branches are shown in Fig. 3,
in which the currents concentrate mainly on the driven
branch at 950 MHz and 2.5 GHz while the currents are
strong along the parasitic branch at 750 MHz.
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Fig. 2. The proposed antenna with/without the parasitic
branch. (a) Simulated |S114, (b) antenna with the parasitic
meander-line branch, and (c) antenna without the parasitic
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Fig. 3. Current distributions on the proposed dual-
antenna system at different frequencies. (a) 750 MHz, (b)
950 MHz, and (c) 2.5 GHz.

B. Design of the decoupling structure

The inverted L-shaped strip in the decoupling
structure can decrease the induced current on the parasitic
branch at 2.5 GHz as shown in Fig. 4, which improves
the impedance matching at higher frequency band as
well.
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Fig. 4. |S11a] and current distributions of the proposed
antenna. (a) Simulated |S114|, (b) current distributions on
the antenna with the L-shaped strips, and (c) current
distributions on the antenna without the L-shaped strips.

The fence-shaped strips in the middle consists of two
protruded stubs which are equivalent to two grounded
inductors L, and the gap between the two stubs and the
gap between the stub and the parasitic branch can be seen
as shunt capacitors C and Co, respectively. Figure 5
presents the equivalent circuit of the structure between
the two feeding ports of the antennas.

Zin % L L Zin

Fig. 5. Equivalent circuit of the fence-shaped strips
between two antenna elements.

The corresponding T-matrix can be calculated by
cascading the T-matrices of single components:
T :Tvi" 'Tc0 T Te Ty 'TcO 'Tvi"’ 2
where, Yi, is the admittance of a single antenna, and the
involved T-matrices are:

[1+Y, /2 Y, /2
TYi" - _Yin/z 1_Yin/2:| ,

[1+1j20C, ~1/j20C
Te. = j20C,  1-1j20C, | * -
T -|1+Yj2eL 1/ j2mL
LT =Y 2wl 1-Yj2wl |
_|1+Yj20C -1/ j2wC
Te="yj20Cc  1-1j20C |

in which Co, C, and L can be calculated by referring to
[6]. Then, Ta1 is obtained as:
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~(Co— ¥y + 0 CoLt j0CLY, ~])-A
T = 20°CC2L2 !
0

and

A=20"CL- joC,-Y, +@°C,L+2jo’C,CL (5)

+2CL0%,, + ®°C,LY, —1.
The mutual coupling between the two antennas’ feeding
ports is:
Sy :]/ Ty - (6)

In Fig. 6, it is seen that the fence-shaped strips
can effectively reduce the mutual coupling between the
antenna elements. In addition, the theoretical curve
predicted by equations (2)-(6) is in good agreement with
the simulated and measured |S»1|, which validates the
correctness of the theoretical analysis. At the same time,
the measured results show that the decoupling structure
can achieve 10dB isolation between antennas, which meets
the basic requirements of MIMO antenna decoupling.
Compared with [2], the proposed decoupling structure
is of compact size and is totally arranged within the
antenna structure, so any extra space is not needed.

—e— Simulated |S21| without decoupling structure
—=— Simulated |S21| with decoupling structure
—a— Theoretical curve from (6)

—v— Measured |S21|

|S21| (dB)
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Fig. 6. Theoretical, simulated, and measured |Szi| of the
proposed antenna.

I1l. RESULTS AND DISCUSSION

The antenna is fabricated and measured, and the
fabricated prototype is shown in Fig. 7. The simulated
|S11a| using ANSY'S HFSS is given in Fig. 8, which agrees
well with the measured data. The measured impedance
bandwidth with |S11a|<-6dB is over 700-960 and 1710-
2690 MHz, covering all the LTE700/2300/2500, UMTS,
GSM850/900, DCS, and PCS bands. As well, the isolation
between the two antenna elements is better than 10dB
within most of the operating bands.

Figure 9 plots the simulated and measured radiation
patterns in three principal planes at two typical operating
frequencies in the LTE700/2500 bands. The measured
peak gain of the proposed antenna is shown in Fig.
10, which ranges from -1.41 to 1.92 dBi at the lower
frequency band and from -0.19 to 5.79 dBi at the higher
frequency band. Figure 11 shows the simulation and
measured results of radiation pattern null value. The total
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efficiency of the proposed antenna system is presented
in Fig. 12. The total efficiency ranges from 50% to
74.2% at the lower band and from 43.4% to 78.5% at the
higher band. Table 2 shows the performance comparison
of the proposed antenna with those in existing literature.
It is seen that the bandwidth of the proposed antenna
covers all the LTE700/2300/2500, UMTS, GSM850/900,
DCS, and PCS bands as compared with those in [1]-[3],
and the thickness of the design is much smaller than that
of the antennas presented in [3]-[5].

Fig. 7. Fabricated prototype sample.
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Fig. 8. Simulated and measured S-parameters of the
proposed antenna.
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Fig. 10. Peak gain of the proposed antenna.
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Fig. 11. Null value of the proposed dual-antenna system.
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Fig. 12. Total efficiency of the proposed dual-antenna
system.

Table 2: Comparison of the proposed antenna with
previous works

Operating | Dimension Gain  |Isolation Efficienc
Bands (MHz)|  (mm) (dBi) (dB) y
700-960,
Proposed 1710-2690 15%80%0.8 | -1.41-5.79 10 43.4-78.5
700-800,
[1] 1700-3800 24x70%0.8 1-5 5-15 -
740-965, R
[2] 1380-2703 29%60%0.8%(0.764-4.505 10 40-67.2
823-968,
[3] 1697-2706 10x70%x5 | -0.5-3.7 10 40-60
702-968,
[4] 1698-2216, | 15x80x5 | -1.79-3.75 10 |31.86-61.73
2264-3000
698-960,
[5] 1710-2690 8x78x7 - 10 45-83

2The area occupied by the slotted ground is calculated.
In order to investigate the diversity performance of

the proposed antenna system, some critical parameters
[7]-[10] are calculated:

JI[F.(0.0)+F.(6.6)]a

2

pe: Ai 2 ~ 2 , (7)
[[F.(6.0) dff|F. (6.4) d
_p2rpr( XPR
MEG_.[O .[0 [mee(eﬁ)%(@,cﬁ) &
1 -
PR (0.9)P; (0. ¢)J8|n9d9d¢ ,
DG:P/_C_E} | ©)
FC rl P(rc<rs/T)
C=E<log, det[|+S|L\lT—RHHHJ , (10)

and the results are given in Fig. 13. It is observed that
the envelope correlation coefficient (ECC) is less than
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0.16 within the entire frequency bands, and comparable
average received power (IMEG1/MEG2| <3dB) and high
diversity gain (DG > 9.6 dB) at 1% of the cumulative
distributed functions are obtained. Figure 14 provides
the channel capacity of the proposed antenna design. It
is seen that the channel capacity is more than 9.5 bps/Hz
with 20dB SNR, which is much improved compared
with the SISO antenna.
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Fig. 13. Diversity performance of the proposed antenna.

12
A A A
11+
10+
P — e ] L, T 1
B sl —e— Simulated
% —=a— Upper limit for SISO
7r —— Upper limit for 2X2 MIMO
6
5 1 1 1 1 1 J
0.6 0.8 1.0 1.6 2.0 24 2.8
Frequency(GHz)

Fig. 14. Simulated channel capacity of the proposed
antenna.

1V. CONCLUSION

In this letter, a multiband dual-antenna design
for MIMO operation in mobile terminals is presented.
The measured impedance bandwidth with |S112|<-6dB
is over 700-960 and 1710-2690 MHz, covering all the
LTE700/2300/2500, UMTS, GSM850/900, DCS, and
PCS bands. The isolation between the two antenna
elements is better than 10dB within most of the operating
bands. The simulated and measured results show that the
proposed antenna design has good diversity performance
and high channel capacity, which makes it suitable for
MIMO operation in mobile terminals.
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Abstract — The design and performance analysis of a
single fed reconfigurable patch antenna for circular
polarization is presented. The patch has a square shaped
slot etched on it. Four ultra-miniature diode switches
are placed at appropriate positions to bridge the gap
in the slot regions and are used to switch the nature
of polarization between left-hand circular polarization
(LHCP) and right-hand circular polarization (RHCP).
The antenna achieves an impedance bandwidth (S11 <
-10dB) between 2.34 GHz to 2.4 GHz (2.53%) with a
center operating frequency of 2.37 GHz. The surface
current distributions on the radiating patch along with
its corresponding radiation patterns measured at the
operating frequency are plotted. The antenna achieves
an axial ratio beam width (AR < 3dB) of -25° to 50° for
left-hand circular polarization and -40° to 45’ for right-
hand circular polarization. Measured radiation pattern
results show the antenna has a good cross-polarization
isolation of -16.2 dB for RHCP configuration and -16.54
dB for LHCP configurations and hence the antenna is
suitable for modern wireless applications.

Index Terms — Antenna feeds, antenna radiation
patterns, circular polarization, microstrip antennas, slot
antennas.

I. INTRODUCTION

Antennas capable of receiving at diverse
polarizations are widely used in satellite communication,
radars [1-2]. The requirement for multifunctional antennas
has increased recently in wireless communication and
hence reconfigurable antennas are gaining much attention
due to their ability to configure their state of polarization
without a change in physical dimension of the antenna
[3]. To achieve polarization reconfiguration, RF PIN
diodes, MEMS switches, reed switches, variable
capacitors and also photoconductive switches are used.
The selection of switches depends on circuit complexity

Submitted On: February 20, 2019
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including biasing network and power consumption. In
general, reconfigurable antenna are designed by means
of reconfigurable feed network or by reconfiguring
radiating structure. Lin and Wong [4] presented
reconfigurable antenna by biasing the pin diodes
sequentially. Dual-Polarized Antenna Based on Metal
Ring is presented by Lizhong Song and Sai Li [5]. Lin,
Wei, and Hang Wong [6] demonstrated a reconfigurable
antenna by exciting radiating element by means of cross
aperture having controlled RF switches.

Most of the conventional reconfigurable antennas
utilizes a slot etched on the radiating element and
reconfiguring it by means of pin diodes [7], RF switches
or varactor diodes. Bharathi, Lakshminarayana, and
Somasekhar [8] presented a reconfigurable antenna
which comprises of a square slot etched on radiating
element embedded with pin diodes for reconfiguring
the structure of the radiating element. A reconfigurable
monopole antenna integrated with mushroom-like meta-
surface to improve antenna performance is presented by
Cao, Cheung, and Yuk [9]. Another common method of
realizing circular polarization is by truncating the corners
of square patch antenna. Bharathi, Lakshminarayana,
and Somasekhar [10] uses four PIN diodes on
reconfigurable truncated corners which are used to
connect the truncated patch with its radiating element
for polarization reconfiguration. Row and Shih [11]
found the use of variable capacitors for tuning resonant
frequencies and also utilizes several diodes along with
DC bias network for changing polarization states which
increases the complexity of the feed system. Polarization
reconfiguration can also be achieved by reconfiguring
feed network by means of pin diodes Lin, Wong, and
Ziolkowski [12]. An annular slot microstrip antenna
with reduced number of switching elements is analysed
in Saravanan and Rangachar [13] where polarization
reconfiguration is achieved by switching the diodes in
the feed network. The effect of quadrature hybrid
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network is used for achieving reconfigurable circular
polarization Elhefnawy, Ismail, and Mandeep [14].
Varactor diodes are used recently to reconfigure the
characteristics of the antenna Liang, Sanz-lzquierdo,
Parker, and Batchelor [15]. By varying the bias voltage,
the capacitance of the varactor diode is changed and
thereby tuning the performance of the antenna. The
polarization reconfiguration antenna by means of varactor
diodes as presented in Babakhani and Sharma [16]. The
model utilizes four varactor diodes to bridge the inner
circular patch with outer concentric ring patch. The
antenna is excited by means of two ports having 900
phase difference with each other which requires a
separate feed network for feeding. Beno and Emmanuel
[17] designed reconfigurable antenna by mechanical
tuning of slot width along with rotation of strips on
radiating patch. Lu, et al., [18] achieved polarization
diversity by generating £90 deg phase difference to
signal going to patch element. Hucheng Sun and Sheng
Sun [19] demonstrated reconfigurable antenna by
inducing phase delay in the output ports by means of
reconfigurable feed network. In recent times, fluid
dielectrics are used for polarization reconfiguration due
to its ability of linear control over polarization [20-21].
However, integration of these antenna model with other
RF devices is difficult due to its requirement of separate
fluid tank space.

The proposed antenna is a rectangular patch with a
square shaped slot etched at its center operating at 2.37
GHz band. The antenna uses four ultra-miniature pin
diodes for polarization diversity. Two bias lines are used
to excite diodes for changing the shape of the radiating
element and thereby achieving polarization diversity. A
parametric analysis is carried out to study the effect
of slot dimension over performance sensitivity of the
antenna. The antenna is fabricated and its impedance
and radiation characteristics are measured using antenna
test systems and the obtained results are compared
with simulation results. The simulation results agree
with measured results and hence it is suited for modern
wireless applications.

I1. ANTENNA DESIGN

A. Antenna geometry

The antenna is designed on roger substrate (RO4350)
having a size of 47 mm x 47 mm x 1.52 mm and having
a relative permittivity € of 3.66 and a loss tangent o
of 0.004. Figure 1 shows a rectangular patch having
a dimension of 31.3 mm x 31.3 mm printed on roger
substrate (RO4350) and a square shape slot is etched
at its centre. The length and the width of the slot are
obtained through parametric analysis of antenna
performances over its dimensions. A 50Q2 SMA coaxial
connector is used to feed the antenna model whose
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characteristic impedance Z, is given below:

Z =iz in (7)o @

For an antenna to radiate effectively the antenna
must be purely reactive and the reactive component
in the impedance must be equal to zero at operating
frequency. This is achieved by properly matching Z, and
Zin. A quarter wave transformer is used to match the
impedance between radiating patch and the coaxial fed.

L

Substrate
P_L

Patch [ L
. /
L SwW +HH- HH -
sias1 D1 sigs2 LS w
o p
ol llo=
T~ -t -

Fig. 1. Antenna geometry.

NXP BAP50-03, 50mA, 50V 2-pin diodes are used
for polarization reconfiguration. The diodes operate at
0 to 12 GHz operating band with a minimum biasing
voltage of 0.7V and hence best suited for reconfiguration.
Four such ultra-miniature pin diodes are used for
polarization diversity. The equivalent pin diode model
is shown in Fig. 2. The diode has a minimum series
resistance of 5Q and inductance of 9nH under forward
bias condition and maximum resistance of 50MQ and
capacitance of 0.35pf under reverse bias condition [22].

Be Block Capacitor

+ +
L
L
R, -
R, P Cr
DC Bias

Pin Diode

RF Choke

-
Forward Reverse DC
Bias Bias Bias circuit

Fig. 2. Equivalent pin diode model and DC bias circuit.

The DC bias circuit comprises of RF choke inductor
(TDK MLGO0603Q Series Inductor, 22nH) to provide
a DC bias path to the pin diode and also block the
RF signal and a blocking Capacitor (AVX 0402 Series
Ceramic Capacitors, 10pf) to avoid DC bias from
reaching RF output.



B. Principle of operation

The antenna model comprises of square slot etched
on the radiating patch. Four pin diodes are appropriately
placed to bridge the gap in the slot region. The antenna
generates either left hand polarization (LHCP) or right-
hand polarization (RHCP) based on biasing potential
given to excite the pin diodes. Table 1 gives the different
operating states of the proposed antenna.

Table 1: Operating states

Bias Bias ON OFF Operating
1 2 State State State
Dland | D2 and
+3V ov D4 D3 LHCP
D2 and | D1 and
ov +3V D3 D4 RHCP

When a bias 1 terminal is excited with positive
potential (+3 V), diodes D1 and D4 are forward biased
(ON state) and diode D2 and D3 are reverse biased (OFF
state). This reshapes the antenna structure as shown in
Fig. 3 (a) and generates left hand circular polarization
(LHCP). When a bias 2 terminal is excited with positive
potential (+3 V), diodes D2 and D3 are forward biased
(ON state) and diode D1 and D4 are reverse biased (OFF
state). This reshapes the antenna structure as shown in
Fig. 3 (b) and generates right hand circular polarization
(RHCP).

LHCP RHCP

(a) LHCP Configuration  (b) RHCP Configuration

Fig. 3. Equivalent antenna structure.

I11. PARAMETRIC ANALYSIS

Parametric analysis is carried to find the optimum
dimension of the proposed antenna model. Ansoft high
frequency structure simulator is used to tune the antenna
dimensions and pin diode used in the antenna design is
modelled based on the manufacture specification.

The performance of the antenna is greatly affected
by slot dimension and hence it is taken as vital parameter
to tune the antenna performance. The width of the slot
is taken equivalent to the diode length given in
manufacture data sheet. The length of the slot is tuned
with respect to antenna operating frequency and axial
ratio performances. From Fig. 4 it is observed that the
resonating frequency of the proposed antenna model
shifts from lower band to higher band with an increase
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in slot length due to increase in electrical length of the
antenna and thereby making the antenna to resonate at
the higher band with an increase in slot length.
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Fig. 4. Parametric analysis of Slot Length S_L on
reflection coefficient.
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Fig. 5. Parametric analysis (Simulated) of slotength S_L
on axial ratio.

Figure 5 shows the slot length effect on the purity of
circular polarization. As shown in Fig. 5 the axial ratio
is greatly affected by slot length. An optimum value of
slot length is chosen to have a minimum axial ratio and
to have good AR characteristics. Since the LHCP and
RHCP configuration are symmetrical with each other,
the effect of slot length on the axial ratio of both LHCP
and RHCP configuration is similar and antenna exhibits
a similar pattern as shown in Fig. 5. Based on the
parametric analysis, the optimum dimension of the and
slot width (S_W) is taken as 1.5 mm and slot length
(S_L) is taken 7.825 mm and the corresponding surface
current distribution at different instants of time is shown
in Fig. 5.

The current distribution plot corresponding to
LHCP and RHCP configuration is given in Fig. 6. It
is observed that electric field vector traces clock wise
direction for LHCP mode and anti-clock wise direction
for RHCP mode. Figure 7 shows a front view and
back view of the fabricated antenna model. The model
is fabricated on roger substrate (RO4350) having a
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thickness of 1.52 mm and having a length and width of
47 mm x 47 mm.

|

(@) t=0

[n}

(O)t=T/4  ()t=T/2  (d)t=3T/4

(a) t=0 (b) t=T/4 (c) t=T/2

(b) RHCP

(d) t=3T/4

Fig. 6. Current distribution in LHCP and RHCP.

(b) Back view

(@) Frontw\fiew
Fig. 7. Fabricated antenna model.

IV. RESULTS AND DISCUSSIONS

The performance of the antenna is validated by
measuring its impedance and radiation characteristics
using field fox network analyzer (N9925A) and antenna
test systems. The impedance characteristics for the
proposed model at LHCP and RHCP mode is shown in
Fig. 8. LHCP mode is excited by biasing diode pair D1
and D4 and RHCP mode is excited by biasing diode pair
D2 and D3 by means of DC bias line. The antenna gives
-10 dB measured impedance bandwidth of 60 MHz in the
range 2.34 GHz- 2.40 GHz for both modes with a center
frequency of 2.365 GHz in WiMAX band. The axial ratio
is calculated from horizontally and vertical polarized
components (E: and E>) based on equation given below,

A= \/% (E? + B2 + JEf + Ef + 2E7E3cos(25) ), (2)

B= \/% (E? + E2 — VEf + Ef + 2E7EZc0s(20)) , (3)
: 4)

1 2E1Ezcos &
T=_arctan—;——
2 E2—E2
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where 6 is the phase difference between E; and Ez and ©
is the inclination of the polarization ellipse. The axial
ratio (AR) is given by:
__ 24 _ |E2cos?T+E;Epsin2tcos §+E2sint

AR = 2B \/Efsinzr—ElEzsinZ‘rcos §+E3cos?t’ ®)

The radiation characteristics of the antenna is
measured using antenna test system and are shown in
Fig. 9. It is observed that the antenna gives symmetrical
radiation pattern and with better cross polarization
isolation of > 15 dB in the operating frequency.
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Fig. 8. Reflection coefficient (dB).
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Fig. 9. Simulated and measured radiation pattern of
LHCP/RHCP (dB).
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Fig. 12. Measured gain across the operating band for
both modes.

Figure 10 shows that the antenna achieves a 3dB
axial ratio bandwidth of 60 MHz (2.34 GHz - 2.4 GHz)
for LHCP and RHCP configuration. The 3dB axial ratio
beamwidth (ARBW) corresponding to both LHCP and
RHCP mode is shown in Fig. 11. The antenna achieves
a measured 3dB axial ratio beamwidth of -25°to 50°for
LHCP and -40°to 45°for RHCP.

In order to validate the operating range of the
proposed antenna, the gain characteristics of the
proposed model with respect to operating band is
measured using antenna test system and are shown in
Fig. 12. The antenna archives a peak gain of 5.11 dBic
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in the LHCP mode and 5.52 dBic in the RHCP mode.
The antenna gives stable gain response in the operating
range as shown in Fig. 12.

Table 2 gives a performance comparison of the
proposed antenna with some of the conventional antenna.

Table 2: Performance comparison of proposed antenna

Size . 3dB 3dB X Pol
Para. @) Switch |AR Beam| AR Band Isolation
Width | Width
28hx |, o >14 dB
6] |2.8%x dio%es NA NA (£45°
0.0271 LP)
0.78%
0.55 x| o . 60° (%?fz'%nlj) 17 dB
8] |0.55%x diopd o | (LHCP, | 050" | (LHCP,
0.042) RHCP) s 68.5 72) RHCP)
GHz
64°
0.46) x (LHCP) 27.9% | 13dB
[9] |0.361x|9 DPDT 26" (1.42-1.88) | (LHCP,
0.107A GH RHCP
(RHCP) i )
0.05%
Lishs| 4y | 00 (G175
o] |rasax| ;2P LHe, >15dB
diodes 0.12%
0.121 RHCP) (5.76-5.88)
GHz
2980x| 4 o 58°  |10.5% from
[18] [2.981x dio%es (LHCP, [2.35102.61| >20 dB
0.37) RHCP) GHz
0.571x .
8 pin Not |1.6% (923-
[19] [0.57nx| . >20 dB
0.0951 diodes | Reported | 943) MHz
75° 16.2 dB
0.37A x . 2.54%
Proposed|0.37% x d4 %‘” (LHCP) | 23424 1('6;;';:5')3
0.012). | @lodes | 85 GHz) |-
(RHCP) (RHCP)

Compared to other traditional antenna models, the
proposed model achieves greater miniaturization along
with the use of a reduced number of switching element
for polarization reconfiguration. It is also observed that
the proposed antenna achieves good AR beam width
characteristics and also achieves better cross-polarization
isolation in the operating band. Hence, the proposed
model best suits for modern wireless communication
systems.

V. CONCLUSION

A polarization reconfigurable rectangular patch
antenna is presented. Four pin diodes are used for
switching polarization states. The antenna achieves -10dB
measured impedance bandwidth of 60 MHz in the range
2.34 GHz- 2.40 GHz for both LHCP and RHCP mode
with a centre frequency of 2.365 GHz. The antenna gives
two different polarization states (LHCP/RHCP) based on
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excitation of appropriate pair of diodes with a peak gain
of 5.11 dBic gain in the LHCP mode and 5.52 dBic in
the RHCP mode and also it gives good cross polarization
isolation of >15 dB and a wider 3-dB axial ratio beam
width of 75° (-25" <AR <50° ) for LHCP and 85° (-40° <AR
<45°) for RHCP configurations.
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Abstract — A frequency reconfigurable fractal antenna
for wireless communication application is presented in
this paper. Three RF switches are incorporated into the
antenna design to achieve frequency reconfigurability.
The proposed antenna is designed and simulated using
the HFSS code and then fabricated. The experimental
results confirm the numerical simulation and demonstrate
that integrating the RF switches improves the antenna
flexibility and enables us to switch the antenna from
single-band to dual-band as well as to a multi-band
state with minimal design complexity and high degree
of miniaturization.

Index Terms — Frequency reconfigurability, notched
band, ultrawide band, varactor diode.

I. INTRODUCTION

Recent rapid growth in wireless and communication
technologies has prompted us to create new and more
advanced antennas capable of operating in multiple
bands. Wireless standards such as GSM 800/900 and
GSM 1800/1900 govern the operation in the lower UHF
band, while WIFI and WIMAX do the same in the
upper UHF band. Recently, frequency reconfigurable
antennas have been proposed to achieve multipleband
operation [1-5], as opposed to fixed antennas which can
only operate in a frequency band. Reconfigurable
antennas are capable of dynamically altering their
performance in order to adapt to environmental
conditions and to meet system requirements that can be
complex, and for this purpose various reconfiguration
techniques have been investigated [6, 7]. Approaches
based on electrical switching circuits, such as RF-
switches and varactors [8-11] represent the most
commonly used tuning techniques owning the simplicity
of their integration into the antenna system and their
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capability of rapid switching. These switching elements
are often used at specific locations in an antenna to
modify its current distribution and, thereby modify its
RF properties. Despite providing multiband operation,
the antenna maintains its compactness and light weight
feature to facilitate its integration with other microwave
components in a device. Toward this goal, the fractal
technique is adopted in this work to improve the size of
the antenna in comparison to non-fractal design [12-14].
Such a design has the salutary features at low profile,
multi-frequency operation, impedance compatibility and
ease of integration for different wireless application
system.

In this paper we propose a frequency reconfigurable
Hilbert curve CPW-fed antenna which is, designed and
fabricated. This work is inspired by the antenna designs
presented in our previous work [15], but with enhanced
performance achieved by incorporating RF switches to
realize frequency reconfigurable characteristics. Three
RF switches are placed across, the arms of the antenna
and enable the antenna to operate in multiple bands by
altering the switches states. To validate the simulation
results, the Hilbert curve reconfigurable antenna is
fabricated, and tested. The measurement results confirm
that the proposed antenna is capable of operating in
three different states, namely single-band, dual-band
and multi-band for a small area of dimensions of 17 x
23 mm?2, So, the main merit of the proposed design lies
in achieving, multiband switching operations, acceptable
gain with minimal complexity and high degree of
miniaturization.

The reminder of the paper is organized as follows.
The next section describes the antenna structure and
fractal design. Simulation and experimental results are
presented and discussed in Section 3. Finally, the last
section presents the conclusions of this study.
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(a) (b)
Fig. 1. Geometry of the planar fractal CPW-fed antenna:
(a) reference structure, and (b) incorporation of three
switches: A, B, and C.

Table 1: Geometric parameters of the proposed design

Parameters Dimensions (mm)
Substrate width 27
Substrate length 28
Antenna length 17
Metal width 1
Hilbert curve length at the 5
second iteration
Substrate width 1
Microstrip feed width 6
Microstrip feed length 5
Ground width 12.89
Ground length 1
Ground and Microstrip
feed spacing

Switch C

Fig. 2. Prototypes of the fabricated antennas: (a)
reference structure, and (b) antenna prototype with the
integration of A, B, and C switches.
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Table 2: Switch configuration of the antenna design

Switches
States A B C
1 OFF OFF OFF
2 OFF OFF ON
3 OFF ON OFF
4 OFF ON ON
5 ON OFF OFF
6 ON OFF ON
7 ON ON OFF
8 ON ON ON

I1. ANTENNA DESIGN

The geometry of the reference antenna design is
presented in Fig. 1 (a). This figure shows the compact
fractal antenna presented in our previous work [15].
The design uses the second iteration of the Hilbert
curve, whose geometrical parameters are provided in
Table 1. To reconfigure the reference structure in
specific bands, we propose a new design which uses RF
switches, inserted in specific locations as shown in
Fig. 1 (b). The inserted switches are denoted A, B, and
C where, A and B are placed between the ground and
the antenna while C is located on the upper arms of
the antenna. The proposed structures are printed on
FR4 substrate of thickness 0.8 mm, relative dielectric
constant & = 4.4 and loss tangent & = 0.02. Figure 2
shows the prototypes of the fabricated antennas in
which three RF switches have been integrated. The
switch itself has two states these are: State 1, when the
switch is OFF and State 2, when the switch is ON. As
indicated in Table 2, eight possible switching states are
provided by the three incorporated switches.

I11. RESULTS AND DISCUSSIONS

A. Reflection coefficient Su:

The variation of the input reflection coefficient vs.
the frequency is shown in Fig. 3 for each state. In this
figure simulated Si11 curves corresponding to the eight
operating states are compared to the measured Sii.
Inspection of these figures shows that there is good
agreement between the measured and simulated results.
The measured results show that, the proposed antenna
can be made to resonate at eight different frequencies
by using various combinations of the switches A, B,
and C. The experimental results for different states are
summarized in Table 3, which shows that the proposed
antenna generates fifteen frequencies in the frequency
range of 0.8 GHz to 4.7 GHz. As shown in this table,
State 1 resonates at four frequencies, State 2 at three
frequencies, while State 5 and state 7 resonate at two
other frequencies. For all other states, one resonance is
realized per state. Experimental results show also that
the proposed antenna is able to cover various bands. As
and (h) State 8. An example, the antenna covers 4 bands
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when operating in state 1 and three bands for State 2;
hence a dual-band operation is obtained for both states
5 and 7. However, a single band per state is obtained
for the remaining states. These results demonstrate the
fact that the ability of the proposed antenna to achieve
frequency agility which, in turn, makes it suitable for
use in wireless communication systems. It is worth to
note that an acceptable agreement between numerical
and experimental results is obtained expect for some
specific states (notably when switches A and B are
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activated). This small disagreement reported for states
3 and 5 is due to the fact that switches A and B are
connected to the antenna ground plane which influences
the antenna behavior. In fact, the surface currents
flowing on the ground plane may affect the switches,
and then the input reflection coefficient of the antenna.
In addition, the coaxial connector effect was not taken
into consideration in our simulated model, which may
explain also the difference between simulation and
measurements [8].

Table 3: Performances summary of the proposed antenna for different states

States Number of Resonated Frequency Operating Bands (GHz)
Simulation Measurement Simulation Measurement

1 4 4 0.8-10; 1.2-1.4; 2.2-3.8 | 0.9-1.0; 1.4-1.5; 2.7-3.2; 3.5-3.8

2 3 3 0.8-1.1;1.9-3.2; 3.7-4.2 2.5-3.14; 3.7-3.9; 4.7

3 2 1 1.2-1.3; 4.4-4.7 4.45-4.71

4 1 1 4.1-4.4 3.8-4.3

5 1 2 3.6-3.8 0.95-1; 4.5-4.6

6 1 1 3.7-4.0 4.5-4.7

7 2 2 2.6; 4.5 2.6; 4.5

8 1 1 2.4-2.6 2.4-2.6
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B. Radiation patterns and gain

The simulated radiation patterns for the proposed
antenna are presented in Fig. 4 in the frequency range
of 0.8 GHz to 4.6 GHz. This figure shows the maximum
total gain of the antenna, in the eight states, for different
resonant frequencies. We see from Fig. 4, that the
radiation pattern of the proposed antenna realizes the
reconfigurable pattern characteristic by activating the
three switches. We further note that while the radiation
pattern behavior of the proposed antenna remains
essentially its maximum simulated total gain is highly
affected as we while switch from OFF to ON state. For
the first case (when A, B and C are OFF), a stable



radiation pattern is observed. An omni-directional
radiation pattern in the (yoz) plane is shown with a
maximum total gain of -2.2 dB at f = 3.74 GHz. For
the second case per state (State 2, State 3, and State 5),
the radiation pattern retains the same omni-directional
behavior when one switch is activated, and its maximum
total gain is 0.4 dB at 3.84 GHz. For the third case,
when two switches are activated per state (State 6 and
State 7), the radiation pattern is still omni-directional,
and has a maximum total gain of -3.8 dB for f = 3.84
dB. Similar characteristics are also obtained for the last
case, when all the switches are activated (State 8).
Measured radiation pattern obtained by activating the
A, B, and C switches states are presented in Fig. 5 to
validate the simulation results. This figure shows that the
measured gain varies from -11.54 dB to -2 dB in the lower
band (0.9-2.11 GHz), and from -2.4 dB to 5 dB in the upper
band (3-4.7 GHz). The results of maximum measured
gain the different states are summarized in Table4. The
table, which compares the gain performances of the
proposed antenna for different switches states, shows

s Z £
heta
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D
f=1.03 GHz f=3.02 GHz f=4.7 GHz
(@)
Fa i
heta heta
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that the gain of the antennas is highly affected when the
switch B is activated. Table 4 also measurements shows
that, the lower measured gain is adversely affected when
the switches A and B are activated (corresponding
states are: 3, 4, 5, 6, 7, and 8). As explained earlier, this
degradation is caused by the coupling between the
ground plane and the switches.

Table 4: Maximum measured gain for different states

heta

+

Frequency Maximum Measured
States (GH?2) Gain (dB)
1 4.7 3.02
2 3.8 5
3 4.6 0.3
4 4.63 0.31
5 4.6 1.9
6 3.9 4.7
7 4.6 0.31
8 2.6 -0.13
]:‘Z s
heta Treta
f=1.13 GHz f=4.7 GHz
(b)
s
Theta

f=1.36 GHz f=1.92 GHz f=3.26 GHz f=2.64 GHz f=4.63 GHz
(d)
z Z
Theta
f=0.99 GHz f=2.7 GHz f=3.9 GHz f=4.6 GHz f=2.6 GHz
(e) () 9 (h)

Fig. 4. 3D simulated radiation patterns for states: (a) State 1, (b) State 2, (c) State 3, (d) State 4, (e) State 5, (f) State

6, (g) State 7, and (h) State 8.
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C. Comparative study

To mark the advantages of the proposed design
compared to those reported in literature, a comparative
study was performed, and results are summarized in
Table 5. We can note from Table 5 that better
performances in terms of size, design complexity are
achieved with the proposed design. For example, the
design proposed in [16] giving higher gain and more
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operating bands is achieved at the expense of the
antenna size and the design complexity. In fact, by
referring to Table 5, the antenna size is 4 times larger
than our proposed design, and the number of PIN
diodes is 8 instead of 3. So, our structure successes in
achieving high degree of miniaturization, multiband
switching capabilities with acceptable gain and minimum
number of PIN diodes.

P
- S @ .=

f=1.13 GHz f=2.9 GHz f=4.7 GHz
(b)
f=2.646 GHz f=4.63 GHz
(d)
) \. h ‘ y ., .
a .\." -
f=3.9 GHz f=4.6 GHz f=2.6 GHz
) ()] (h)

Fig.5. 3D measured radiation patterns for states: (a) State 1, (b) State 2, (c) State 3, (d) State 4, (e) State 5, (f) State

6, (g) State 7, and (h) State 8.

Table 5: Comparison of the proposed fractal multiband antenna (e) with those present in the state-of-art literature

Ref Antenna Design Numb_er of PIN Max. Gain Total Area Nurr_1ber of
' Geometry Diodes (dB) (mm?) Operating Bands
[17] No Fractal 4 25 58.8 x 40 3
[18] No Fractal 5 3.2 25 x 45 5
[19] Fractal 6 -11.37 30 x 30 13
[16] Fractal 8 6.8 80 x 80 18
[20] Fractal 1 5.36 35 x 30 5
[21] Fractal 2 4 35 x 30 6
Prop. Fractal 3 4.7 17 x 23 14

1V. CONCLUSION
A frequency reconfigurable antenna has been
designed, analyzed and fabricated in this paper. To
achieve reconfigurability characteristics, three switches

were incorporated in the designed antennas which were
fabricated and experimentally evaluated to validate the
simulated results. The designed reconfigurable antenna,
which can operate in one, two, three and four bands,



has a total area of 17 x 23 mm?. So, the proposed design
success in achieving, multiband switching operations,
acceptable gain with minimal complexity and high
degree of miniaturization. Such features provided by
the proposed antenna makes it suitable for use in
telecommunication devices that operate in multiple
frequency bands.
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Abstract — The purpose of this study is testing the
performance and success of a compact-sized, ultra-
wideband and directional printed circular monopole
antenna proposed in a previous study for detection of the
small breast cancer tumors. For this aim, simple but basic
experimental studies of the radar-based ultra-wideband
microwave measurement system are presented. In the
measurements, different breast phantoms that have low
dielectric constant materials representing the fat tissue
and high dielectric constant object representing the tumor
are formed and used. The object is located at different
positions and the reflected signals are observed. The mono-
static system which uses the same antenna to perform
both the transmitting and receiving task of the signals
is preferred in the study. According to the measured
frequency domain signals, the reflected energy increases
when the tumor is present. According to the amplitude
and phase of the time domain signals, the presence,
position and size of the tumor are inferenced. In order to
provide more clear information about the tumor, a sample
image is also created by implementing delay-and-sum
algorithm. Furthermore, specific absorption rate of the
breast is discussed. In summary, the performance of the
antenna is valid for using in the radar-based ultra-
wideband microwave imaging with respect to its features
of the size, bandwidth, directivity, and beamwidth.

Index Terms — Breast cancer, microwave measurement,
radar imaging, scattering parameters, ultra-wideband
antenna.

I. INTRODUCTION
The World Health Organization reported about the
cancer types in females that the most prevalent one is the
breast cancer throughout the world [1]. Breast cancer
stages are usually expressed as a number on a scale of 0
through 1V, success rate in the treatment according to
the stage decreases as the stages progress from 0 to 1V.
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Hence, diagnosis at the early stages (when the tumor size
is not larger than 20 mm) is very crucial in the breast
cancer treatment [2].

Breast cancer detection is primarily made by X-Ray
Mammography, Magnetic Resonance Imaging (MRI),
and Ultrasound techniques. Also, radar-based ultra-
wideband (UWB) microwave imaging (MI) method
has lately become applicable for this aim [3-8]. In the
microwave frequencies (in the range of 0.3 and 300 GHz),
the breast tissue can pass more signals than other tissues
such as brain and muscle. In addition, the breast can
be illuminated with microwave sources and multiple
measurements can be made thanks to its position in the
body. Due to these characteristics, one of the most
suitable organs to test the success of microwaves in
imaging is the breast [9].

The radar-based UWB MI method differs from
X-ray Mammography method by using nonionizing
radiation and illuminating power even less than a mobile
phone. Therefore, it is much safer and even easier as
there is no need for compression in the imaging [10].
This method has a comfortable system in contrast to MRI
method having some negative features such as long
process and uncomfortable measurement environment.
Radar-based UWB MI method is also intended to
overcome the main disadvantage of the Ultrasound
method which needs experienced physicians to interpret
the results in order to prevent obtaining false-negative/
positive results [11].

When an electromagnetic wave passes from one
medium to another, one part of the wave passes to the
second medium and the rest is reflected back from the
surface. In order to find the reflected wave, the reflection
coefficient (I') is calculated. If the wave impinges
normally, the T value is calculated using (1). To find the
impedance (1) values, (2) is used:
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e=jg

where 1 is the magnetic permeability of the medium, g is
the electrical permittivity, ¢ is the conductivity, and w is
the angular frequency [12].

When the values of n are put into place in the related
equation with T, it will be seen that higher ¢ or o
increases the reflection. Since the € and ¢ values of the
tumor have much greater values compared to the healthy
breast in the microwave frequencies, the presence of
the tumor leads to an increase in the amount of the
reflections that allows detection of the tumor. So, the
main principle of the radar-based UWB MI method is
based on the significant difference in the electrical
properties of the malignant tumors and normal breast
tissue in the microwave frequencies [13].

In the measurement system, an UWB pulse which
includes low to high frequencies is used. The lower band
ensures adequate depth of penetration while the higher
band ensures the enough resolution of the images.
Hence, both the deeply buried and small-sized tumor can
be detected based on the broad frequency bands [14,15].

In the system, the breast is illuminated by UWB
pulses. The presence, position and size of any tumor can
be seen on the images which are obtained by collecting
and processing the reflected signals.

The used antenna is very critical to radiate and
receive the pulses in the radar-based UWB MI systems.
These systems require compact-sized, UWB, stable
and directive antennas as their sensors [16]. A printed
circular disc monopole antenna (PCDMA) having these
properties was developed in [17] for early detection of
the breast cancer. Although the features of the antenna
were demonstrated to be suitable for using in the MI
systems, the required test measurements were not being
performed to investigate the success of the antenna.

In this paper, the main purpose is to investigate
how the antenna of [17] would perform when used in
the radar-based UWB MI system. For this aim, the
frequency and time domain signals are examined. Also,
an image is created to show the size and position of the
tumor.

In the measurements, the proposed antenna is
expected to work as previously stated and is intended to
show better performance than some similar studies.

I1. MATERIAL AND METHODS

In the radar-based UWB MI systems, generally
three different methods can be used. These are: mono-
static, bi-static, and multi-static radar methods [18,19].
In this study, the mono-static system which uses the
same antenna to perform both the transmitting and
receiving task of the signals is preferred. Hence, S11
scattering parameters which enable the determination of
the reflections are measured.

In this study, experimental measurements are made
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to observe the performance of the PCDMA in sensing the
small tumors. In the measurements, two different breast
phantoms are used to mimic the electrical properties of
the healthy breast fat tissue. A 6 mm sized plastic object
filled with sea water is used to mimic malignant tumor.
One of the formed phantoms is planar and the other is
hemi-spherical. In the measurement configurations, the
planar phantom is scanned by the antenna manually.
However, in order to measure the hemi-spherical
phantom, the antenna must be turned around the phantom
360 degrees to save the S;1 data from different positions
by using the turn table device.

The properties of the antenna, the structures of the
phantoms and the information about the measurements
are given in sub-headings.

A. Characteristics of the developed antenna

In the study of [17], a compact-sized PCDMA
including circular patch and L-shaped ground plane was
designed and printed on a FR4 substrate. In the design
process, a parasitic element was added to the patch side
and a number of slots were etched on the ground plane
in order to improve the bandwidth and directivity of the
antenna as proposed in [20].

Simulated and measured Si; parameters showed
good agreement between 3 and 10 GHz. But the return
loss (RL) shifted above the -10 dB in a small number of
frequencies. It was reported that these disagreements
were due to the uncertainties in the dielectric material,
fabrication constrains, effects of soldering of SMA
connector, measurement loss and accuracy rate of full-
wave simulation program not to be 100%. In order to
overcome these drawbacks, in this study we have
reconstructed the antenna and soldered the connector
more carefully. The measurements have been taken in
an anechoic chamber this time. As a result of these
operations, it is observed that the RL curve is drawn
below the -10 dB line over the entire frequency range of
3-10 GHz. The simulated and measured S;; results of
reconstructed antenna are given in Fig. 1.
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Fig. 1. The RL results of the antenna proposed
previously in the study of [17] (after reconstruction).



When carefully examined, it is seen that the
measured results shift systematically to higher frequencies
according to the simulation. For this reason, a resonance
that actually occurred before 3 GHz shifts to the 3-10
GHz frequency region. Therefore, a more resonance
mode appears in the measurement results.

The RL results show that the proposed antenna is
suitable for using in an MI system of the breast cancer
with respect to the working frequency range. But, as
mentioned before, the antenna does not only need to have
broad bandwidth but also should have narrow half power
beamwidth (HPBW) and stable directional radiation
pattern to be used in a radar-based MI.

The directivity of the antenna changes between 6 dB
and 9.4 dB in the 3-10 GHz; the radiation efficiency is
higher than 90% over the entire band. Moreover, the
antenna has both narrow HPBW and stable directional
radiation pattern as seen in Fig. 2. These results show
that the antenna is also suitable with respect to the
radiation features for using in an MI system.

Taequency | E | HESH
T BGHz | 92° | 86
4 GHz 35° 52°
6 GHz 42° 43°
- 8 GHz 49° 3
10 GHz 54° 30°

Fig. 2. Beam variation of the antenna proposed in [17].

In brief, the UWB directional antenna which was
proposed in [17] is reconstructed and analyzed more
carefully in this study. Here, we will present some
experimental systems to investigate the capabilities of
the antenna for the aim of using in the radar-based UWB
MI of the breast cancer, which was not performed in [17].

B. Breast phantoms

As mentioned before, two different breast phantoms
are formed and used in the experiments. One of these
phantoms has rectangular shape, and the other has hemi-
spherical. The dimension of the rectangular phantom is
15x5x7 c¢m?, and the radius of the hemi-spherical
phantom is 6 cm.

Since the working frequency range is 3-10 GHz in
this study, the electrical properties of the fat and tumor
structures are based on according to approximately mean
value of the range, 7 GHz. At this frequency, the relative
permittivities (g;) of the fatty breast tissue and tumor are
4.2 and 64, respectively. Also, the o of the breast tissue
and tumor are 0.5 and 10 S/m, respectively [21,22].
Since the study is intended to determine the presence of
the tumor, it is not necessary to add skin to the phantoms.
A borosilicate glass with 2 mm thickness is used as skin
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tissue in the planar phantom, whereas the hemi-spherical
phantom contains only the tumor and fatty tissue.

There are some materials that possess close dielectric
properties to the breast such as vegetable oils, pure
glycerine, dry cornflour, beeswax, etc. Similarly, there
are some materials having close dielectric properties to
the tumor tissue such as agar, gelatine, sea-water, etc. In
the rectangular phantom, we use canola oil having &r of
4 and o of 0.3 S/m at 7 GHz [23,24] as a fat-mimicking
material. However, in the hemi-spherical phantom, the
beeswax having &r of 3 and ¢ of 0.1 S/m at 7 GHz [25-
27] is preferred. The tumor-mimicking object is in the
form of a plastic cylinder filled with sea-water having &r
of 69 and ¢ of 9 S/m at 7 GHz [27] and is placed inside
the phantoms similar to the studies of [27-29]. Since
the dielectric properties of the plastic are similar to the
properties of the oil, using the plastic material to keep
sea-water does not affect the measurement results
considerably [30].

C. Configurations of the measurements systems

This section explains the measurements on the
phantoms by using the PCDMA. Throughout the
measurements of the rectangular phantom, the antenna
is placed 20 mm above the phantom. Throughout the
measurements of the hemi-spherical phantom, the PCDMA
is positioned at a height of 30 mm on the z-axis while the
center coordinate of the sphere and tumor are (x=0, y=0,
z=0 mm) and (x=0, y=0, z=30 mm), respectively. The
distance between the phantom and the upper right corner
of the antenna is set to 20 mm. The measurement systems
are shown in Fig. 3 and Fig. 4.

PCDMA

ok {B’easTa'_mimicki'w)\Wms (Skft-mimickiny)

—— —

T E
E
R Y || = Sea water (Tumor-mimicking) |

(a)

150 mm

70 mm

R

2 50 mm E F:smm 5
(b)
Fig. 3. Measurement configuration of the planar phantom:

(a) front view with tumor, and (b) top view with tumor
and measurement points.

10mm 25 mm
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Hemi-Spherical Breast Phantom

——> . Tumor-Mimicking Object

T

Proposed PCDMA

Fig. 4. Measurement configuration of the hemi-spherical
phantom.

Firstly, the measurements are made when there
wasn’t a tumor in the phantoms. Then, the tumor-
mimicking object is placed in the phantoms and the
measurements are repeated as seen from Figs. 3 and 4.
Since the direction of the main beam moves from ¢=32
to =54 degrees as given from the Fig. 2, the antenna
is positioned so that the direction of the main beam
is as perpendicular as possible to the phantoms. In
the measurements of the rectangular phantom, the
measurement values recorded for different locations (Xi,
Xz, X3) as shown in Fig. 3 (b). In the measurements of
the hemi-spherical phantom, the antenna is turned
around the phantom 360 degrees by using the turn table,
and the results are recorded one every 45 degrees.

111. MEASUREMENTS, RESULTS AND
DISCUSSIONS

A. Experimental measurements

In the experiments, Anritsu MS2028C 10 kHz-20
GHz Vector Network Analyzer (VNA) and test port
extension cable are used to send the microwave signals
to the breast phantoms and to measure the signals
reflected from them. Prior to the measurements, the
VNA is calibrated over UWB (3-10 GHz in the present
case) using a one-port calibration procedure [31]. The
measurement systems using the rectangular and hemi-
spherical phantoms are shown in Fig. 5 and Fig. 6,
respectively.

The measurement of the planar phantom has been
made in the laboratory. In order to minimize the
reflections from the walls, desks and other equipments,
two square absorbers (60x60 cm?) and an isolation
material is used during the measurement.

In the measurement of the hemi-spherical phantom,
scanning the phantom 360 degrees is necessary to obtain
successful results. For this aim, a turn table with an
isolation material (foamed sealant) which is put to reduce
the coupling effect and to align the phantom with the
antenna is used in a fully anechoic chamber.
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Fig. 6. The measurements for hemi-spherical phantom.

B. Results in the frequency domain

The measurement results for the planar phantom are
given in the frequency domain. The measured Si; Vvs.
frequency values for the cases of with and without tumor
for the point of X, are shown in Fig. 7.

Also, the recorded S1, values for three locations (X1,
X, and X3) are plotted in Fig. 8.
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Fig. 7. S results in the frequency domain (at X; point).
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Fig. 8. S11 results for different locations (with tumor).

Si11 and T values are related to each other according
to the Equation (3) which means that the smaller the
magnitude of Si1, the larger the reflection becomes [32]:

S11(dB) = 20log1o|T|. (3)

As given before, there are significant differences in
the electrical properties of the tumor and normal breast
tissue in the microwave frequencies. So, the transmission
of the microwaves is less (means that the reflection is
high) when the tumor is present. Hence, the magnitude
of Si1 decreases over the working frequency in the
tumorous case as it is seen from the Fig. 7. Furthermore,
it is understood from the Fig. 8 that the reflected energy
decreases when the antenna moves away from the tumor
and vice versa.

The RL differences between the tumorous and non-
tumorous cases can be seen more clearly in the range of
6 to 8 GHz. Hence, another important deduction from
the Figs. 7 and 8 is that the best frequencies for tumor
detection are these frequencies. However, in the detection
process, not only 6-8 GHz range is used, but also all
frequencies of 3-10 GHz range are used.

In another experiment, the object which was
previously placed at a depth of 25 mm is placed at a
depth of 45 mm. Then the measurements are performed
again. Si1 results for the point of X; when the tumor is
buried at a deeper position are shown in Fig. 9.
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Fig. 9. Sa1 results for deeply buried tumor (at X; point).

C. Results in the time domain

The results for the hemi-spherical phantom are
given in the time domain. In these measurements, a
Gaussian pulse is emitted from the antenna. The pulse
signal becomes narrower as the bandwidth of the antenna
increases. Since the used antenna has the bandwidth of
7 GHz, it can send a narrow pulse signals. Thus, one of
the processes required to obtain high resolution images
is provided.

As mentioned before, the values of the reflected
signals for tumorous and non-tumorous states are
recorded in 8 positions where the antenna and tumor-
mimicking object are at the height of 30 mm on the z
axis. Since the object is at (x=0, y=0), the distance
between the antenna and object remains same while the
phantom is being scanned. So, the reflections from the 8
positions will be similar and showing one of the signals
would be sufficient for observing the cases.

The emitted Gaussian signal and the reflected signal
received by the antenna are shown in Fig. 10. Since
a delay time would occur during the return of the
transmitted signal, and the amplitude decreases due to
the losses, it is seen from the Figs. 10 (a) and (b) that
there are differences in the phase and amplitude of the
sent and reflected signals. In the Fig. 10 (b), for the 1.5
to 2 ns interval, it is seen that the signal amplitude is
higher in the tumorous case than amplitude of the non-
tumorous case.
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Fig. 10. (a) Gaussian pulse emitted from the antenna, and
(b) reflected signals from the hemi-spherical phantom.

In another measurement, the tumor-mimicking
object is placed at the point of (x=0, y=40, z=30) mm.
Therefore, the distance between the antenna and object
changes when the phantom is scanned. Hence, the signal
values taken from 8 different points are at the different
levels. The values when the antenna is at the closest and
farthest to the tumor are given in Fig. 11.
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Fig. 11. Reflected time domain signals: (a) antenna is at
the closest, and (b) antenna is at the farthest to the tumor.

As expected, it is seen from the Fig. 11 (a) that the
amplitude of the reflected signal is higher in the
tumorous case than amplitude obtained in the non-
tumorous case. Further, since the tumor is closer to the
surface and provides more reflections, this time the
difference is greater than that of obtained in the Fig. 10
(b). Also, it is seen again that there is a phase difference
between the Gaussian pulse and the reflected signal.
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However, this time it is not as much as in Fig. 10 (b)
since the signal reaches to the tumor and reflects back
fromitin a less time.

When Fig. 11 (b) is examined, it is seen that the
amplitude of the reflected signal is higher in the
tumorous case. But, since the tumor is at a point far away
from the surface and provides less reflections, this time
the difference is less than that of obtained in the Fig. 10
(b). Also, it is seen again that there is a phase difference
between the Gaussian pulse and the reflected signal.
Since the signal reaches to the tumor and reflects back
from it in a longer time, this time it is more than that of
seen in Fig. 10 (b).

For a better understanding of the graphs, the
amplitude differences of the tumorous and non-tumorous
cases between 1.5 and 2 seconds for the different positions
of the tumor are given in Table 1. The maximum
amplitudes and phase differences of the reflected signals
are also given in Table 2.

Table 1: Amplitude differences between the reflected
signals of tumorous and non-tumorous situations (V)

Time (ns)
Tumor 1,6 1,75 1,9
Position
Tumor is closest 60— 70— _
to the antenna 54=6 58=12 35-30=5
Tumor is at the 30— _ _
center 97=3 19-15=4 | 31-27=4
Tumor is 29
farthest ~ 18-16=2 | 30-28=2
27=2
to the antenna

Table 2: The maximum amplitudes and phase differences
of the reflected signals

Maximum | Starting
Amplitude Time
Tumor is closest 130V 0.9 ns
Tumor is at the center 95V 1.1ns
Tumor is farthest 80V 1.25ns

D. Imaging result

The measurements made up to this stage have been
performed in the frequency and time domains. However,
in order to make a more successful diagnosis, the
obtained data must be converted into images.

The signals must be subjected to various processes
such as pre-processing, filtering, calibration, energy
calculation to create image. For this purpose, the
calibration phase is carried out by taking the difference
between the signal reflected from the tumor tissue and
the signal reflected from the healthy tissue as suggested
in the study of [33]. After obtaining the tumor response
by the calibration process, the stage of obtaining the
energy profile of the breast is started. For this aim, the



points in the breast are considered as pixels and the
individual energies of these pixels are calculated. Then
time delays are calculated and collected in order to
determine the positions of the pixels. Finally, the image
is created. In order to calculate the energy values, the
delay-and-sum algorithm which has been used in many
other studies like [34-36] is preferred.

As shown before, the time domain data from
different positions have been obtained for the hemi-
spherical phantom which has tumor-mimicking object at
the (0, 0, 30 mm) position. The image that is created by
using these data is given in Fig. 12. In the image, the
object is seen as the black colour. It is known that the
cylindrical object has a diameter of 6 mm and a height of
4 mm. So, it is expected to be seen as the size of 6 mm
in the x-axis direction and the size of 4 mm in the z-axis
direction. It is displayed as 6.6 mm and 3.6 mm in the
created image. Hence, the size is determined with an
accuracy rate of 90%. The center position of the object
is displayed at the points of (x=-1 and z=31 mm) which
is actually at the points of (x=0 and z=30 mm). Therefore,
it can be said that the position is also determined with
very high accuracy.

60 r n
40

Z (mm)

Fig. 12. A sample image showing the size and position
of the tumor placed at the point of (x=0, y=0, z=30) mm.

E. Specific absorption rate considerations

Specific Absorption Rate (SAR) means a measure
of the rate at which energy is absorbed by the human
body when exposed to the electromagnetic field [37,38].
It is defined as the power absorbed per mass of tissue as
expressed in (4):

SAR = "'5'2, 4)
where ¢ is the conductivity (S/m) of the tissue, E is the
internal electric field (V/m), and p is the mass density
(kg/m3).

It is necessary to observe whether the power levels
for the operation of microwave breast cancer detection
systems are lower than the acceptable SAR levels.
International Commission on Non-lonizing Radiation
Protection (ICNIRP) accepts the SAR value to be 0.4
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w/kg for those who are exposed to electromagnetic fields
as a matter of professions (in controlled environment),
and 0.08 wrkg for the public population (in uncontrolled
environment). In addition to the limit values of whole
body (WB), the limits of local SAR over 1g and 10g of
the tissues are also determined [39]. These values are
displayed in Table 3.

Table 3: SAR exposure limits in different environments
SARws SARic SAR10G
Coptrolled 04 8 20
Environment
Uncgntrolled 0.08 16 4
Environment

Since the aim of this study is to make a measurement
for breast tumor detection which is intended to be used
in the hospitals, the standards for the controlled
environment should be considered. Also, the tumor
detection measurements involve the exposure of the
breast to the electromagnetic fields locally. So, it is
crucial to ensure that peak SAR values conform to the
standards set for the maximal peak averaged over a small
amount of mass as opposed to WB average [40].

In this study, the SAR distributions are obtained for
1.0g volume of tissue with the aid of HFSS program.
According to the simulation results obtained at 7 GHz,
the maximum average SAR1g value of fatty tissue
without tumor is 1.2292 W/kg. When the 6 mm sized
tumor is located to the (0,0,30 mm) point, the maximum
average SAR1g values of the fatty tissue and tumor are
3.6091 W/kg and 6.8817 W/kg, respectively. The results
show that, the SAR values of the breast tissue for
the tumorous and non-tumorous cases are below the
determined limit values.

It is seen from the SAR values that a large amount
of power is absorbed on the tumor concealed area due
to the high dielectric property of the tumor tissue.
Similarly, the SAR values over the breast fat are lower
for non-tumorous case compared to the tumorous case.
So, it is understood that measuring the SAR values is
helpful to determine the presence and position of the
tumor. The maximum SAR coordinate in the breast with
6 mm tumor is obtained as (-1.8, 2.1, 28.8 mm) where
the actual center position of tumor is (0, 0, 30 mm).
Hence, the coordinates of the corresponding maximum
value of SAR can be identified for detecting the locations
of tumor inside the breast.

F. Comparison with the similar studies

Several compact-sized UWB antenna designs have
been proposed for the radar systems, see-through-wall
imaging, wireless communications applications, cognitive
radio applications, C and X bands operations, and
medical imaging [41-60]. Each has its own advantages
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and drawbacks. Some of these antennas exhibit
omnidirectional radiations whereas some others have
directional radiation patterns. For the performance
analysis of the used PCDMA, a comparison with the
antennas of [41-60] is given in Table 4. According to this
table, the bandwidth is increased, the HPBW values are
reduced and the directivity is improved with compared
to the some works reported in the literature.

In the studies of [53-60], not only antenna designs
were made, but also measurements were performed for
the breast cancer detection. Thus, the performances of
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the antennas in the MI systems were investigated. But,
many conditions such as measurement environments,
designed antennas, constructed phantoms, used VNA
devices and the methods preferred for the image
generation are different in these studies. Hence, it is not
possible to compare the results of our study clearly with
the results given in other studies. However, we have tried
to make a comparison with the studies [53-60] that have
the systems which are similar to our study with respect
to the measurement environment and phantom structures.
These comparisons are given in Table 5.

Table 4: Comparison of the performance of the used antenna with the antennas reported in some previous work

Reference Size Frequency Band | Bandwidth Radiation HPBW Gain
Antenna (mm) (GH2) (%) Type Moves (°) (dB)
[41] 32x30 3.1-140 127.5 Omnidirectional -1 22-6.0
[42] 32x24 39-110 114 Omnidirectional -1 1.7-53
[43] 32 x24 2.7-120 126.5 Omnidirectional -1 05-55
[44] 18x 12 3.02-15.21 133 Omnidirectional -1 -1
[45] 50 x 46 3.1-12.6 120 Directional 75-25 4.0-8.0
[46] 50 x 50 6.0-8.0 28 Directional 47 - 37 -1
[47] 32x30 42-85 68 Directional 78 - 43 52-9.3
[48] 50 x 50 40-9.0 77 Directional 56 - 25 7.0-10.0
[49] 40 x 26 1.0-8.0 155 Directional -1 -1
[50] 50 x 50 41-115 95 Directional 49 - 22 25-84
[51] 50 x 50 31-11.0 112 Directional -1 4.3-10.8
[52] 50 x 40 3.0-8.0 91 Directional 60 - 40 5.0-6.8
[53] 62.5x 62.5 2.0-4.0 66 Directional -1 -1
[54] 50 x 50 2.75-11.0 126 Directional -1 -1
[55] 36 x 36 25-104 122 Directional -1 1.0-9.0
[56] 40 x 40 3.6-8.0 76 Directional -1 3.8-7.0
[57] 73.5x42 3.0-10.0 108 Directional -1 25-10.0
[58] 27.3x 14 45-105 80 Directional -1 -1
[59] 63 x 51 25-85 109 Directional -1 20-75
[60] 80 x 44 2.4-180 153 Directional -1 -1
Used Antenna 55 x 40 3.0-10.0 108 Directional 56 - 30 6.0-8.4

Table 5: Comparison of the performance of this study with the measurements reported in some previous work

Reference Antenna Type Phantom Type Shape and Size of the Tumor
[53] Bow-tie With Skin (2 mm) Ellipsoid - (L=15mm & W=5mm)
[54] Probe With Skin (Thin) Spherical - 5 mm

. . Cylindrical Pipe
[55] Tapered-Slot Without Skin (H=20mm & R=5mm)
[56] Planar Plate With Skin (4 mm) Cylindrical - 4.5 mm
[57] Slotted Vivaldi With Skin (1 mm) Spherical - 10 mm
[58] Vivaldi With Skin (2 mm) Spherical - 10 mm
A . . . Cylindrical Pipe
[59] Vivaldi With Skin (Thin) (H = 20mm & R = 2.5mm)
[60] Antipodal Vivaldi With Skin (Thin) Cylindrical - 16 mm
. With Skin in Planar & A
This Study PCDMA Without Skin in Hemi-Spherical Cylindrical - 6 mm




1V. CONCLUSION

In this study, firstly it was mentioned that the
success rate of the breast cancer treatment is very high if
it is detected at an early stage. Then, early detection
methods of the breast cancer were introduced. The radar-
based UWB MI system which is one of the emerging
methods was explained in detail. After that, it was
emphasized that the used antenna is very critical to
radiate and receive the pulses in this system.

In the study, the compact-sized UWB directional
antenna was used in the experimental measurements and
the performance of it was investigated which was the
main purpose of this study. For the experiments, the
breast phantoms with different shapes and materials
were formed. A 6 mm object having similar electrical
properties to the malignant tumor was placed in the
phantoms, and the measurements have been made in the
different domains. According to the both frequency and
time domain results, it was concluded that the presence
of the tumor could be clearly determined. In addition,
inferences about the position and size could be made.
But, in order to make more clear observation, the
reflected signals were converted into image. Thus, the
location and size of the tumor was detected successfully.
Hence, the other aim of the study was achieved.
Furthermore, SAR consideration for the breast was
made. As a conclusion, in this study it was demonstrated
that the UWB and directive PCDMA is capable of
detecting small tumors in a radar-based UWB microwave
breast cancer detection system which is a new method
having some features supporting existing detection
methods.
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Abstract — A triple layer X-band FSS is designed and its
reflection and transmission characteristics are explored
for normal/oblique incidence. The proposed planar FSS
is confirmed by simulation and measurement results.
Then, by using the X-band FSS, a novel X-band radome
is designed. Its reflection and transmission characteristics
are investigated for in-band and out-of band frequencies
by integrating an ultra-wide band antenna. A comparison
of radiation patterns at selected frequencies for cases with
and without radome is examined. Adaptation of radome
to the antenna is achieved without significant reduction
in radiation performance at the design frequency of FSS.

Index Terms — Endfire radiation, frequency selective
radome, unit cell, Vivaldi antenna.

I. INTRODUCTION

Frequency selective surfaces (FSSs) are planar
periodic structures composed of either slot or patch
elements that interact with electromagnetic waves within
certain frequency band(s). They act as analogue spatial
filters such that these spatial filters transmit or block
waves in a specific frequency band of interest. Design
process of the FSSs involves a proper choice of topology
characteristics such as unit cell type and geometry,
spacing between unit cells, substrate permittivity and
thickness as well as presence or absence of superstrates
in order to obtain the desired spectral selectivity. FSSs
have a wide range of applications in electromagnetic
spectrum, including radar cross section (RCS) reduction,
electromagnetic interference reduction, millimeter and
terahertz wave operations, antenna reflectors, quasi-
optical filters, polarizers and switches [1-5].

A substantial amount of research has been conducted
on the FSSs as they have unique properties and a large
number of practical uses. Various FSS elements such as
center connected structures (e.g., dipoles, tripoles, square
spirals, Jerusalem crosses), circular, square and hexagonal
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loops along with numerous shapes have been intensively
analyzed [6-8]. Varactor, Schottky and PIN diodes have
also been embedded in active FSS design for the
reconfiguration of these FSSs, while inductors are utilized
as control lines [9-11]. Recently, FSSs with different
unit cell geometries have been used as ground planes
of microstrip patch antennas as well [12-14]. Several
studies have addressed different aspects of FSSs such
as mutual coupling reduction of antenna arrays, and
shielding applications [15, 16]. Optimization-based design
of the FSSs is also possible [17].

Another specific application of FSSs is radomes. A
radome protects an antenna from outer environment with
smallest effect on the radiation properties of the antenna
within a frequency band of interest. Performance of a
radome depends on matching its configuration and
materials composition to a particular application and RF
frequency range. A radome produced by curved FSSs
acts as a bandpass filter that allows transmission in an
operating frequency band, and reflection out of the band.
It is usually difficult or impossible to control the RCS
of antennas over a wide frequency range. Instead of
shielding the antenna to protect it from a threat radar,
which blocks the antenna operation, it is a wiser
approach to cover the antenna with an FSS radome that
is transparent at the operating frequency band, yet
opaque at the threat radar frequency.

Although the usage of FSSs as a protective radome
leads to a considerable reduction in the RCS of the
enclosed antenna outside the operating band, it might
affect the electrical performance of the antenna in terms
of polarization purity reduction, sidelobe level increase,
transmission losses, degradation in impedance matching
properties, tilting of the main beam, and strong undesired
electromagnetic interference. Hence, accurate radome
design and production using FSSs are important.

Several studies have been reported on FSS radome
design: Liu et al. [18] investigated the effect of incidence
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angle and polarization on bandwidth stability for a
proposed FSS structure for radomes. Angular instability
was observed in the presented results. Qu et al. [19]
designed a cylindrical radome based on a graphene FSS
that has a tunable bandpass filtering characteristic.
Sensitivity analysis for different incidence angles was
not carried out in that study. Lin et al. [20, 21] developed
an axi-symmetric conical FSS radome in S-band and
another miniature conical thick-screen FSS in C-band,
then explored the impact of these radomes on monopole
antennas. Impact of the designed radomes on gain
performance was unkown. Combination of different
materials with FSS structures have also been of interest.
In one study [22], a modified silica ceramic was
developed and used in Jerusalem FSS. It was concluded
that the modified substance could be used as a dielectric
material for FSS radomes. Choi et al. [23] formed
an X-band hybrid composite low-observable radome
that consisted of a composite sandwich construction
including E-glass/aramid/epoxy hybrid composite faces,
a polymethacrylimide foam core and an FSS.

In this article, firstly, a triple layer X-band FSS is
designed. Its reflection and transmission characteristics
planar FSS is confirmed by simulation and measurement
results. In the experimental verification, a waveguide
measurement setup is used. Next, a novel X-band radome
is designed by using a triple layer X-band FSS. Its
reflection and transmission characteristics are investigated
for in-band and out-of band frequencies by integrating
an UWB Vivaldi as the antenna inside the radome.
Design steps of the FSS radome are explained. Radiation
pattern simulations at 8, 10, 12 GHz are presented. It is
found that radiation properties of the antenna are not
significantly affected by the coverage of the FSS radome
for in-band frequencies of the FSS structure. Moreover,
a flat top transmission feature is obtained. All simulations
are performed with CST Microwave Studio, a commercial
Finite Integration Technique (FIT) based software
package. FIT is a spatial discretization technique to
numerically solve electromagnetic problems in both time
and frequency domain. In the process, basic topological
properties of the continuous equations are preserved. The
basic idea of this approach is to apply the Maxwell
equations in integral form to a set of staggered grids.
Thus, the accuracy and performance of a simulation in
CST are heavily dependent on the quality of the mesh
that describes the structure. Achieving very high mesh
quality leads to more qualitative definition of the problem
space. In this work, analysis process is performed in CST
by using the adaptive mesh refinement to obtain better
accuracy with less unknowns, especially in simulations
with radome.

Il. GEOMETRY OF UNIT CELL
Designed planar FSS consists of 3-layer periodic
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unit cells. Each unit cell has a circular metallic structure
at the top and bottom layers, and a square metal part with
a cross-shaped slot as the middle layer. A dielectric
material fills the inter-layer volume. After a series of
optimizations for the unit cell parameters and the
dielectric profile, dimensions of the unit cell are obtained
for X-band characteristics. Also, the dielectric material,
which affects the unit cell capacitance as well as
reflectance at the air-dielectric interface, is determined.
Diameter of the metallic circle is denoted by D, while
the arm length and width of the cross-shaped slot are
expressed by L, and W, respectively. Edge of the metal
square in the middle layer is denoted by W. The FSS
is implemented on a commercially available Rogers
RO4003C high-frequency laminate with a 0.51 mm
dielectric thickness and 17.5 um copper. The laminates
are bonded to each other by using spray glue, which has
negligible effect on electromagnetic performance [24].
The dielectric material has a relative dielectric constant
of &, =3.38+0.05, and a loss tangent of 0.0035 at 10GHz.
Low dielectric loss of this laminate facilitates its use in
many applications where higher operating frequencies
limit the use of conventional circuit board laminates.
Figure 1 shows the unit cell geometry, and Table 1
illustrates the dimensions of the unit cell. Since the array
is considered as infinite in size, y- and x-boundaries are
set to unit cell of the array. Floquet ports are defined at
the z-boundaries.
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Fig. 1. Unit cell of the designed FSS: (a) side view, (b)
perspective view, and (c) top view with design parameters.



Table 1: Dimensions of the unit cell for the proposed FSS

Parameter Dimension (mm)
W 10
Lo 3.5
W, 0.4
D 8.19

A parametric analysis is carried out to realize the
identified design requirements. Our investigations (not
shown here for brevity) demonstrate that top of the
transmission curve occurs at smaller frequencies as W
becomes larger and smaller resonant frequencies occur
as L becomes larger. This is due to the increase of
equivalent inductance with increasing L.

Resonant frequency of the unit cell is calculated as:

1

=i @)
where Ly and Cy are the equivalent inductance and
equivalent capacitance of the unit cell, respectively. As
the slot length L, increases, the resonant frequency
decreases because path length of the current increases.
Lower resonant frequencies are observed as the parameter
D increases. Furthermore, a flat top transmission is
obtained for all D values. An increase in the dielectric
constant of the dielectric material results in an increase
in capacitance, which results in a decrease in the resonant
frequency.

It is useful to explore the effect of incidence angle
on the reflection and transmission coefficients as well.
Figure 2 illustrates the incident wave that impinges on
the unit cell with an angle of 4. A set of incidence angles
between 4=0° and 6=50° with an increment of AG=10°
is applied. Although resonant frequency remains
unchanged with varying incidence angles, as verified
by Fig. 3, the reflection coefficient becomes larger at
the resonant frequency as the incidence angle increases.
In order to cover a larger range of incidence angles,
reflection and transmission coefficients simulated
between 6=0° and 8=90° are depicted in Fig. 4.

Fig. 2. Incident wave on unit cell.
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Fig. 4. Sensitivity analysis of the EM wave: comparison
of reflection and transmission coefficients.

I11. PLANAR FSS MEASUREMENT
RESULTS

The planar FSS is theoretically infinite in extent and
lies in x-y plane. Taking the two-dimensional periodicity
into account, the analysis of the FSS is simplified by
use of the Floquet’s theorem. Practically, size of the FSS
has to be limited, which is 80x80 mm (in x-y plane)
consisting of 8 by 8 unit cells. Incident wave propagates
in z-direction. Oblique plane waves can also impinge on
the structure.

In order to verify the simulation results, the proposed
FSS structure is fabricated and tested. In the fabrication
process of the FSS, chemical etching technique with
photolithography is employed. For the periodic structures
such as FSSs, the waveguide transmission lines can be
used for the measurement [25-26]. Thus, a waveguide
measurement setup is used. The measurement system is
illustrated in Fig. 5 (a) and Fig. 5 (b) shows the prototype
of the three-layer FSS with the top array visible. The
sample FSS was fitted properly within the waveguide

1563



1564

flanges. Part of the fabricated FSS structure and WR-90
waveguide used in the measurement are shown in Fig. 5
(b). Anritsu MS4644A 2-port vector network is used in
measurements. Waveguide to coaxial adapter is used at
both sides for transition. With this measurement setup,
the transmission and the reflection coefficients of the
FSS are measured for the dominant mode (TEio). Note
that due to planar behavior of the structure, the resonant
frequency does not depend on the size of the FSS [27].

Figure 6 and Fig. 7 depict the measured as well as
simulated results of the reflection and transmission
coefficients, respectively, versus frequency. As seen from
the figures, measurements and simulations are in good
agreement for reflection and transmission coefficients.

The planar FSS structure might be considered as a
second-order bandpass filter consisting of LC circuits
[28] that yield a double resonance in the reflection
coefficient curve in Fig. 6. The double resonance is
observed in both the simulation and measurement
results. A fast roll-off is obtained in the simulated and
measured transmission coefficient curve in Fig. 7. The
split at the top of the measured transmission coefficient
curve could be due to measurement errors.

122.86 mm;
>

Fig. 5. Planar FSS Measurements: (a) measurement set
up and (b) part of the fabricated FSS and waveguide.
WR90 waveguide with 6.5 GHz cutoff frequency for
dominant mode (TEao) is used in the measurements. The
following mode (TEz) starts at 13.1 GHz.
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Fig. 7. Measured and simulated transmission coefficient
versus frequency for the planar FSS structure.

IV. FSS RADOME DESIGN FOR ENDFIRE
RADIATION

When the FSS is used in curved structures, the
fundamental properties of planar FSS, namely the
periodicity and the infinite extent of the surface, are lost.
This makes it impossible to reduce the analysis to that of
a single unit cell [29]. Therefore, electrically large curved
array of FSSs have to be analyzed. The geometrical optics
(GO) is commonly used for the analysis. However,
multiple internal reflections are not accounted by GO.

A novel X-band radome in the shape of an extended
hemispherical lens is designed by using triple layer X-
band FSS. Its reflection and transmission characteristics
are investigated for in-band and out-of band frequencies
through simulations by integrating an available UWB
Vivaldi antenna as the antenna inside the radome. Vivaldi



antenna with endfire radiation operates efficiently as a
transmitter and receiver in the band of 3 GHz-15 GHz.
The slot curve for the Vivaldi antenna is an exponential
function expressed as:

S(z) = Wsi0¢/2) exp(az), )
where a=0.165 and Wqi:=0.25 mm. A /4 open circuit
stub is used for wide band matching. Rogers RT/Duroid
5870 (&,=2.33) with a 0.51 mm dielectric thickness, and
17.5 um copper is chosen for the design. The prototype
is shown in Fig. 8. The reflection behavior is measured
in terms of S11 characteristics in Fig. 9.

The shape of the radome is synthesized as the union
of a hemisphere of radius r = 60 mm (corresponds to 24
in free space), and a cylindrical dielectric slab base with
a height of h = 30mm (corresponds to 1/ in free space).
These dimensions are chosen to ensure main beam
inclusion of the antenna within the FSS radome for end-
fire radiation. Figure 10 illustrates the designed radome,
and the integrated antenna.

3

i nn;.m| OO T g
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Fig. 8. Fabricated Vivaldi antenna: (a) top view and (b)
back view.
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Fig. 9. Measured return loss of Vivaldi antenna.
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Fig. 10. FSS radome: (a) Side view, (b) top view, and (c)
cut view with Vivaldi antenna.

The structure that consists of the FSS radome,
located to the reactive near field region of the antenna,
and Vivaldi antenna is simulated. Simulations are
performed in X-band (a frequency band of 8 GHz-
12 GHz), which covers the operation frequency range of
the antenna. Simulated gain patterns of the antenna with
and without the radome at 8 GHz, 10 GHz, and 12 GHz
are given in Fig. 11. It is observed that the minimal
degradation in the gain pattern occurs at 10 GHz and the
direction of the main beam remains unchanged. While
the gain of Vivaldi antenna at 10 GHz is 7.4 dBi, which
is almost equal in E and H planes, the Vivaldi antenna
with the radome has a gain of 6.7 dBi in H-plane, and
7.2 dBi in E-plane. Although E-plane results excellently
match each other with/without FSS radome, H-plane
patterns are degraded to some extent by the integration
of FSS radome.

The gain patterns obtained with radome at 8 GHz
and 12 GHz has opposite main beam direction compared
to the Vivaldi antenna. This proves the no transmission
and high reflection characteristics of radome for out-of-
band operations.

— Vivaldi

=== Vivaldi with Radome

(b)
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Fig. 11. Simulated gain pattern of Vivaldi antenna with
FSS radome: (a) H-plane at =8 GHz (left), E-plane at
f=8 GHz (right), (b) H-plane at =10 GHz (left), E-plane
at =10 GHz (right), and (c) H-plane at f=12 GHz (left),
E-plane at f=12 GHz (right).

V. CONCLUSION

A curved radome designed through an FSS structure
is presented. Unit cell geometry of the planar FSS is
described in detail. The triple layer planar FSS is
fabricated, assembled, and measured. Measurement
and simulation results for the reflection along with
transmission coefficient of the planar FSS are given.
Measurement results show sufficiently good performance.
FSS radome design integrated with an UWB Vivaldi
antenna with endfire radiation is illustrated. Gain
patterns of the Vivaldi antenna at 8 GHz, 10 GHz, and
12 GHz for the cases with and without the radome are
explored. It is revealed that the gain pattern at 10 GHz
yields the optimum result compared to the gain patterns
at 8 GHz, and 12 GHz. Intended design of the radome is
consistent with the obtained results. Compared with
other previously developed radomes, current design has
some advantages such as angular stability for different
incidence angles, and insignificant change in gain at
an optimal design frequency. A flat-top transmission
feature is also achieved. It is concluded that the designed
radome could be used in X-band applications. In the
future, impact of the change in the radome radius on
the reflection and transmission characteristics could be
analyzed as the hemispherical radome approaches to a
planar structure with increasing radius.
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Abstract — In this study, it is explained how to increase
the gain of a two-layer stacked miniaturized microstrip
patch antenna (MPA) operating at 5.8 GHz and 10 GHz
step by step by combining several different methods used
in the literature for performance improvement of MPAs.
A commonly used FR4 substrate material was preferred
to design and produce the antenna. For electromagnetic
modeling of the prototype structure, numerical analysis,
and optimization, ANSYS HFSS was used. The
performance of the proposed antenna was evaluated in
terms of return loss (RL), surface current distribution,
radiation patterns and gain/directivity. To confirm the
study, the simulation results were compared with the
measurements taken over the antenna prototype and
good agreement has been achieved. The peak gain values
of the proposed antenna at 5.8 GHz and 10 GHz are
obtained as 4.11 dBi and 7.15 dBi, respectively.

Index Terms — Dual-band, gain, impedance matching,
microstrip antenna.

I. INTRODUCTION

Due to the rapid increase in communication
technologies and the demand for different frequency
applications in wireless devices, compact structured and
multi-band MPAs offer the best solution. These antennas
can be integrated with various portable devices for
efficient data transmission and reception [1].

MPA has many advantages, but it has two main
disadvantages as low gain and narrow bandwidth. Various
methods are used to overcome these disadvantages. These
methods are:

a. Etched slots on the patch [2],

b. Appropriate feeding [3],

Submitted On: December 25, 2018
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c. Defected Ground Structure (DGS) [4],
d. Adding different shaped parasitic patches to the
patch at appropriate positions [5],

e. Multi-layer structure [6].

Although these methods were used to increase the
gain and bandwidth of the antenna in the literature, in our
study we focused on increasing the number of working
band and the gain of an antenna by using these methods.
As far as we can see in the literature, DGS method was
used to increase the bandwidth of an antenna. In our study,
we used it to increase the gain of our antenna.

There have been numerous designs of double-band
MPAs over the past decades, especially for wireless
communications, 3.5 GHz WiMAX (3.3-3.7 GHz), 5.5GHz
(5.150-5.825 GHz) and/or 2.4 GHz (2.4-2.483 GHz)
WLAN and 10 GHz (8-12 GHz) radar applications. Some
of those were planar multiple shaped strips with binomial
curved conductor support [7], meander line and a patch
in the form of a reverse toothbrush [8], microstrip line
feeder split ring metamaterial structure [9], DGS with
multi-strip monopole antenna [10], inverted-F antenna
(IFA) structure [11], H-shaped antenna for GPS and Wi-
Fi applications [12], microstrip antenna with improvement
in performance using DGS [13], extended L-shaped
multiband antenna for wireless applications [14], multi-
layer stacked patch antenna [15]. However, most of these
antennas are large in size. As far as literature studies are
concerned, most of the techniques used for compact size
and multi-band antennas are complicated due to the
necessity of additional structures or due to their large
size. In order to design a small and compact wireless
device, it is necessary to miniaturize the antenna size
accordingly.

The ITU (International Telecommunication Union)
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had originally reserved a portion of the RF spectrum
globally for industrial, scientific and medical (ISM)
applications [16]. One of the ISM bands, which has
center frequency of 5.8 GHz is between 5.725 GHz and
5.875 GHz. The frequency band of 5.8 GHz is especially
important for high speed Wi-Fi routers, FPV (First
Person View) applications where antennas with smaller
dimensions and profile are desirable. This allows users
to access the microwave spectrum without the need for
regulations and restrictions that can be applied elsewhere
[17,18].

In radar engineering, X-band (8.0 to 12.0 GHz) is
used extensively for detection and identification of
reflective objects such as aircraft, ship, space vehicle,
vehicle, human and natural environment [19].

The higher the frequency, the smaller the antenna
dimensions. Since the our antenna was designed initially
according to 10 GHz and then a second operating
frequency was added at a frequency of 5.8 GHz, the
designed antenna dimensions were smaller than the
antenna designed at the 5.8 GHz band. Thus, an antenna
operating in the 5.8 GHz band was designed with the
small dimensions of 10 GHz. In addition, in the literature
search as far as we have seen, we did not find any
antenna that works in both 10 GHz and 5.8 GHz as dual
band.

This study proposes a new design approach for gain
improvement of two-layer stacked MPA with dual band
operating at 5.8 GHz ISM and 10 GHz X-Band Radar
applications.

This article is organized as follows. Section Il
covers the antenna configuration and design procedure.
Simulation and measurement results are discussed in
Section Il and comparison tables are given in this
section. Section 1V contains the result of this study.

I1. DESIGN SPECIFICATIONS OF
PROPOSED ANTENNA
This section presents a description of the geometric
configuration and basic steps involved in the design of
the proposed antenna.

A. Antenna configuration

The geometrical configuration of the proposed
antenna is shown in Fig. 1. This antenna is designed to
operate in dual band as 5.8 GHz ISM band (from 5.725
t0 5.875 GHz) and 10 GHz X band (from 9.623 to 10.427
GHz). The proposed antenna is implemented on a FR4
substrate with thickness of 1.575 mm, relative permittivity
4.4 and loss tangent of 0.019, while copper patch having
a thickness of 0.035 mm is used as the radiating element.
MPA was fed using a microstrip feed line which was
terminated with a 50Q2 SMA connector for signal
transmission and antenna simulation.
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Fig. 1. Configuration of the dual band proposed antenna
structure: (a) front view, (b) side view, and (c) back
view.

B. Design procedure

In our study, we used the parametric analysis of
HFSS at each step and ultimately improved the antenna
design parameters. The values given in our paper are in
fact the result of many parametric analyzes. Since more
details would make the paper too long, we showed only
the best results of each parametric analysis in our paper.
Also, we give our design methodology as a flowchart
shown in Fig. 2.

| Selection of Design Parameters |
| Choice of Appropriate Substrate Material |
v
| Transmission Line Modeling of Antenna Structure |

| Simulation & Parametric Analysis
I

Corrections

Patch / Slot - Feed Position / DGS /
Parasitic Elements / Air Gap

Frequency.
Gain/ RL
Satisfied

Fabrication & Measurement I

¥

| Evaluation & Verification |

Fig. 2. Flow chart of design methodology.

The antenna development procedure is shown
systematically in Fig. 3 within four step.

Initially, even though its loss tangent is relatively
high, we preferred the FR4 substrate in our design
because of the advantages of being cheap and easy to
obtain. The FR4 substrate consists of an epoxy matrix
reinforced with woven glass. This composition of epoxy
resin and fiber glass varies in thickness and depends on
direction [14, 20].
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L L

(a) (b)
L L
(0 (d)

Fig. 3. Antenna design steps: adjusting of (a) initial
antenna (Step #1), (b) slot-feed position (Step #2), (c)
DGS (Step #3), and (d) parasitic element (Step #4).

In step 1, we obtained the initial dimensions of MPA
with the rectangle patch with edge feed by using
Transmission Line Model (TLM) for 10 GHz resonance
frequency. To operate in the fundamental mode, the length
of the patch should be slightly less than Ag/2, where Ag is
the wavelength in the dielectric medium and is equal to
JolNeett, where Ao is the free-space wavelength and eex is
the effective relative permittivity which can be obtained
by the following equation (1) [21]:

£y = 8r2+1+‘3*T_1(1+12h/w)‘1’2, 1)
where h, W, and & are the thickness of substrate, the
width of microstrip patch and relative permittivity,
respectively.

The initial antenna was fed from the side by a
quarter-wave microstrip line to provide impedance
matching. The relationship between resonance length
Leqg and directed wavelength Ag is given equation (2)
below [22]:

c
Ly =4, /4 o )
where c refers to speed of light and fr is the resonance
frequency.

Since the accuracy of the TLM approach is not very
good, the results obtained from the simulation with these
TLM values do not provide desired characteristics
as much. At this point, adjusting of the patch size is
necessary for desired characteristics of antenna. This is
done by trial and error method and some simulation
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programs. In our case, parametric analysis tool of HFSS
[23] program was used to obtain right size of the patch
which is to be used in the next steps shown in Fig. 3 (a).
In all the other steps we used the same HFSS tool for
optimum performance as well. Some of the different
RL curves obtained for different values during these
analyzes are shown in each step. By looking at the curves
in these figures, the values that yields the best value of
RL and gain in the working frequencies were selected.

In step 2, slot opening method was used to obtain
dual-band characteristic on a standard rectangular
antenna. Firstly, we fixed the feed position at the center
and opened a slot on the patch and changed the position
of it while observing the return loss variation [24]. As a
result, a second frequency (changing from 5 to 7 GHz)
with 10 GHz appeared.

Then, the feeding position has been changed for
further improvement of the RL [25]. After then, for the
intended dual band of 5.8 GHz and 10 GHz frequencies,
good results have been obtained with the use and
optimization of these two methods together. The resulting
antenna is shown in Fig. 3 (b). The return loss change for
some different slot lengths and widths values is shown in
the Fig. 4.

In step 3, DGS method was used for gain
improvement. When we use MPA, the problems which
will occurs are surface waves and high loss in the
substrate layer. The losses that are due to the surface
waves excitation will cause decrease in the antenna gain,
efficiency and the bandwidth. When we use DGS on
MPA, it reduces the surface waves on the ground plane
that reflect from the edge of the ground plane which will
influence the current flow and the input impedance of the
antenna and therefore changes return loss and increases
the gain [26-29].

In this step, in order to increase the gain while
maintaining the resonances at the frequencies 5.8 and 10
GHz, the ground surface is optimally removed without
overlapping the patch and feed region as shown in Fig.
3 (¢). The return loss change for some different ground
lengths is shown in the Fig. 5.

In step 4, for further return loss and gain
improvement, parasitic element (PE)s were optimally
placed parallel to the right and left of the feed line as
shown in Fig. 3 (d) [30]. The return loss change for some
different locations of parasitic element is shown in the
Fig. 6.

The effects of the evolutionary steps on the Si; of
the antennas designed with the methods explained in
steps #1 to #4 used is shown in Fig. 7. Here, since the
return loss graphs overlap one another, the return loss
change for each step is shown in the Table 1 for a better
view of the results. Design stages play an important role
on the operating frequency of the antenna. In our design,
DGS and parasitic element addition outside the slot
opening region as in the Fig. 3, does not change the upper



working band (10 GHz) and the lower working band
(5.8 GHz) as seen from Fig. 7.
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Fig. 4. RL results of the different slot lengths and widths.
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Fig. 5. RL results of different ground (DGS) lengths.
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Fig. 6. RL results of different locations of parasitic
element.
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Fig. 7. Sa; for the steps #1 to #4.

As a final step (Step #5), in order to further increase
the gain, under the MPA used in step #4, after an air
gap we used a one-sided second layer with the same
properties and dimensions as shown in Fig. 8.
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The purpose of using a second FR4 layer underneath
the antenna is to add an air gap to the structure. Aim of
the air gap between the radiating element and the lower
ground plane is to reduce high substrate loss of the
material used and so increase the gain.

Slotted and Parasitic Element Patch

t
FR4 «— —r‘
air gap
(he) = Spacer  Ground Plane SMA Connector
- FR4

Bottom Ground Plane
Fig. 8. Step #5: Side view of proposed antenna structure.

Table 1: Comparison of steps in terms of RL

. RL (dB)
Steps of Design
5.8 GHz 10 GHz
Step #1 - 33.41
Step #2 24.20 32.75
Step #3 38.67 27.57
Step #4 42.52 44.25

For the second layer used, possible situations such
as whether the second layer will be over or under MPA,
double sided or single sided, top or bottom ground and
with or without DGS were analyzed separately. For best
results, it was concluded that the ground should be under
the second layer without DGS. Next to these, the effect
of the air gap on the gain was investigated parametrically
with the HFSS.

As a result, optimum value of the air gap thickness,
hg was found as 7.5 mm. Since it was observed that
insertion of the air gap did not change the return loss
much, only the gain versus the air gap thickness has
givenin Table 2. In this table, the gain describes the peak
gain in the boresight direction.

Table 2: Simulated antenna gain versus the air gap
thickness

. Gain (dBi)
Alr Gap, hg (mm) 5.8 GHz 10 GHz
3.5 3.56 6,68
5.5 3.72 6,79
7.5 411 7,15
9.5 4.03 6,74

The created air gap reduces both the effective
dielectric constant of the radiating plane and the electric
field concentration on the lossy epoxy. In the work done,
the effective dielectric constant ees was reduced by using
the air gap to reduce the high insulation loss of the FR4
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material [31]. Equation (3) was used to obtain this value
which yields ot = 1.59 which is smaller than eer = 3.57,
h

_&uh +e,h ©)

" h+h,

Finally, the optimum performance of the antenna
was achieved by the parametric studies carried out with
the HFSS and the final parameters of the antenna are
shown in Table 3.

&

Table 3: Dimensions of proposed antenna

Parameter | Size (mm) | Parameter | Size (mm)
Lsub 30 Ledg 4.3
Wsub 23 Wedg 0.7
Lp 6 Lf 6.5
Wp 9.6 Wi 3
Lg 24.5 Wr 3.75
Wg 23 Wi 1
Ls 4.75 t 0.25
Ws 1.25 h 1.575
hg 7.5

I1l. RESULTS AND DISCUSSIONS

The main performance parameters of an antenna
are RL, surface current distribution, radiation patterns
and gain/directivity. For the proposed antenna, these
parameters were simulated and obtained using the HFSS.
On the other hand, RL measurement were performed
using a portable vector network analyzer (ANRITSU
MS2028C) covering 10 kHz-20 GHz.

A. Return loss

The return loss (negative of the Si1) graphics of the
proposed antenna at frequencies of 5.8 GHz and 10 GHz
are shown in Fig. 9.

0
‘\ "
. =g : :/r' —\\ 4:
1 H I
—_ N e 5 =
o T s1 5.8040 -41.3315 .
©-20 . /
= .; s2 10.0251 -35.9996 [
5 i1 m1 5.9050 -28.8769|
-30 m2 10.2569 -24.7213)
1 = Simulated s2
=40 s1 Measured
5 6 7 8 9 10 11

Frequency [GHz]
Fig. 9. S11 values of the proposed antenna.

The measured result is shifted systematically to
higher frequencies. This can be attributed to the
incorrectness of the catalog information of the dielectric
constant of the epoxy material used or errors in
manufacturing and measurement processes.

According to Fig. 9, S11 = -10 dB bandwidth of the
simulated and measured of the proposed antenna are
160 MHz at 5.8 GHz and 680 MHz at 10 GHz, 176 MHz
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at 5.8 GHz and 785 MHz at 10 GHz, respectively.

B. Surface current distribution

Looking at the surface current distributions shown
in Fig. 10, the current flow at 10 GHz is stronger and
more continuous than 5.8 GHz, and is also concentrated
at patch edges and quarter wave zones. The figure shows
that the slot radiates at 5.8 GHz and the patch at 10 GHz.

[

(b) at 10 GHz

Fig. 10. Surface current distributions on the proposed
antenna.

C. Radiation patterns and gain/directivity

The simulated far-field radiation patterns of the
proposed antenna at both resonance frequencies are
plotted in Fig. 11.

\._ _-’; ‘h'& F

Freq="5.8 GHz' Phi="0deg' Freq—'5.8 GHz' Phi—' 90deg’

Freq='10GHz' Phi="0deg' Freq="10 GHz' Phi='90deg'
(a) (b)

Fig. 11. Simulated far-field radiation patterns: (a) E-
plane (x-z) and (b) H-plane (y-z).

The proposed antenna is optimized for the best
radiation efficiency, nre. Radiation efficiency can be
defined as the ratio of the output power of the antenna
(Pout) to the input power (Pi,) of the antenna and is
defined in equation (4) as:

77re = POI.J[ / F)iﬂ " (4)

The directivity and gain of the antenna are related to
efficiency as given equation (5) below:

G(dB) = 7,,D(dB). (5)

The gains of the proposed antenna are 4.11 dBi at
5.8 GHz and 7.15 dBi at 10 GHz, respectively. Figure 12
shows the gain and directivity of the proposed antenna



for frequencies 5.8 GHz and 10 GHz. Here, only a few
frequencies have been chosen so that the gain and
directivity values are displayed locally.

Table 4: Comparison of design steps in terms of the gain

. Gain (dBi)
Steps of Design 58GHz | 10 GHz
Stept#l _ 5.46
Step#2 1.78 5.46
Step#3 2.40 6.26
Step#4 2.28 6.55
Step#5 4.11 7.15

The proposed antenna is compared with some
recently published studies. In terms of several parameters,
the comparison is presented in Table 5.

The directivity of the antenna at 5.8 GHz is 6.85 dBi
and the gain is 4.11 dBi and the directivity at 10 GHz is
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8.65 dBi and the gain is 7.15 dBi. Because FR-4 material
is lossy, the efficiency is low. Therefore, the directivity
value is much higher than the gain value.

The effects of the evolutionary stages on the gain of
the antenna are given in Table 4. In this table, the gain
describes the peak gain in the boresight direction.

10 5.8 GHz ISM Band 10GHz X Band

- Gain

= = Directivity

=
hall

Gain/Directivity

8 9 10 11
Frequency (GHz)

Fig. 12. Gain and directivity for the 5.8 GHz and 10 GHz
band.

Table 5: Comparison among other most similar available antennas encountered in the literature

Reference [13] [14] [20] [32] [33] Proposed
Area (mm?) 100 1520 1140 484 3600 690
Height (mm) 1 1.6 1.57 1.6 1 1.57

Substrate FR4 FR4 Rogers FR4 Rogers FR4

Resonance
Frequencies | 9.2 | 11.7 | 15 24 | 4.5 8.2 9.9 34 | 55 | 53 | 6.1 | 58 10

(GHz)
B"’mm‘;th 266 | 450 | 86 | 109 | 284 | 1028 | 1030 | 700 | 680 | 230 | 360 | 160 | 680
Not Not
VSWR 1.04 | 1.09 | 1.06 | 1.24 | 1.50 | 1.15 1.16 mentioned mentioned 1.01 | 1.03
Gain (dB) 434 | 459 | 1.03 | 1.33 | 1.84 | 296 | 4.24 | 2.04 | 3.44 | 7.00 | 5.00 | 4.11 | 7.15

1V. CONCLUSION

In this study, it is explained how to increase the gain
of a miniaturized dual-band MPA operating at 5.8 GHz
and 10 GHz step by step by combining several different
methods used in the literature for performance
improvement of patch antennas. Design approach
consisting of five systematic steps was introduced.
Parametric analysis was performed to verify the
proposed design and optimize the antenna structure. The
results were compared in terms of return loss, standing
wave ratio and gain. This antenna can be used in dual-
band communication systems for Wi-Fi (5.8 GHz) and
Radar (10 GHz) applications. The compatibility of the
simulation and measurement results, the compact size of
the designed antenna (23 mm x 30 mm), the simple
structure and the low cost make the proposed antenna
suitable for practical applications.
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Abstract — This article describes the measurement of
the complex dielectric constant of pure concrete and a
brick wall, in the frequency range up to 2 MHz, with a
view towards more accurate material description in
electromagnetic simulations. The measurement system
is based on the use of the materials under test as the
dielectric material placed inside a parallel plate
capacitor, in series with an external known fixed resistor.
The theory behind the measurement is covered, and the
results of both real and imaginary relative dielectric
constants for both materials are presented. Finally,
an electromagnetic simulation showing the shielding
effectiveness of a hollow box made of a brick wall is
presented, using the measured data in comparison with
data from a commercial simulator database.

Index Terms — Electromagnetic compatibility, materials
testing, numerical simulation, shielding.

I. INTRODUCTION

The importance of correctly addressing the lightning
effect on buildings and structures increases with the
number of sensitive electronic systems inside [1-3]. Real
world tests of lightning strikes on buildings and structures
are complicated, therefore computer simulations are
attractive, and permit evaluation of a first order effect of
the induced fields inside. Lightning simulators that
generate equivalent currents and resultant electromagnetic
field waveforms are still large and complex. Existing
regulations and literature present some analytical
waveforms that represent typical lightning strikes.
Correct material characterization ensures more reliable
computer simulations. Not only lightning studies benefit
from the correct material description, also applications
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where the electromagnetic shielding of a room or closed
area is important, such as when dealing with secure
communications, resistant against Tempest (NATO and
NSA - National Security Agency given name for spying
activities based on unintended electromagnetic emissions)
or other similar eavesdrop methods [4, 5]. Walls made of
reinforced concrete with an internal metallic frame could
help isolate and contain the major part of the fields outside
the volume, preventing undesired field configuration
inside the structure based on unintended emissions.

Several papers cover the measurement of the
electrical permittivity of concrete. However, most of
these studies aim to electrically characterize the concrete
in the range of the microwave and RF frequencies, from
a few hundred to a few thousand Megahertz.

The reflection and transmission of a CW (Continuous
Wave) signal incident on a concrete block are used to
compute the material complex dielectric constant [6].
A cylindrical coaxial transmission line was built using
concrete poles as the dielectric core, whose water content
was varied and used to measure the complex dielectric
constant from 50 MHz to 1.6 GHz using two different
methods [7]. Other technique measured several materials
used in construction by fitting measured time domain
reflection and transmission signals to the Kirkwood-
Fuoss equation, the measured data obtained from two
antennas connected to a vector network analyzer
(frequency range from 1 GHz to 6 GHz), with the sample
material as an obstacle [8]. GPR (Ground Penetration
Radar) has been used to address material parameters
measurements, such as asphalt, for frequencies between
900 MHz and 1.5 GHz [9] and also concrete, for
frequencies on the range of 500 MHz and 5 GHz [10].
Time-Domain Reflectometry (TDR) was also employed
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to determine the electrical parameter of concrete, in
the range of 100 MHz to 1 GHz [11]. Measurements of
complex dielectric constants at lower frequencies employ
the step voltage [12, 13] with variants of Wheatstone
bridges in capacitors built with guard electrodes, as to
diminish fringing fields.

Since most of the studies focus on the VHF and
UHF range, to address losses associated with indoor
wireless communication, this work presents a simple and
low-cost method based in a material-filled parallel plate
capacitor, focusing on frequencies that are present in
lightning strikes and other emission and susceptibility
analyses, up to 2 MHz. The instrumentation is based on
a signal generator, oscilloscope and the test capacitor is
built considering the characteristics and size of the
concrete material.

Il. MEASUREMENT THEORY

In the electrical model presented in Fig. 1 the
external reference resistor R is placed in series with the
capacitor, symbolized by the lumped element C and its
loss resistor R, also known as the capacitor Equivalent
Series Resistance, or ESR. The loss resistor is considered
to be in series in cases where the leakage current is low,
other than that it is presented as a shunt element [12]. It
is worth mentioning that the ESR value typically varies
with frequency [14]. From the capacitor C it is possible
to extract the real value of the permittivity (&) whereas
the loss resistor will relate to the imaginary part (). V1
and V- are the nodes whose voltages are measured, using
two channels of the oscilloscope. Since the two elements
that represent the capacitor cannot be accessed
individually, the two physical quantities need to be
indirectly found.

Vv, R V,
A !

+

R

S,

T°
Fig. 1. Electric model representing the measurement
system.

Figure 2 shows the quantities effectively measured
with the oscilloscope, with a bold trace: the voltages
V1 and V;, and their respective phase. Since the real
and imaginary parts that model the capacitor cannot
be physically separated, indirect manipulations will
eventually provide their results.
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AN e\

Va

Fig. 2. Phasor representation of the measured quantities.

From Fig. 2 the vector subtraction between both
measured voltages is the voltage drop on the external
resistor R - therefore it is purely real. The current in the
series circuit is found to be:

/ VZ+VE—2V1V,c0s0
I= *——7— (1)

p :

The numerator expresses the voltage drop on the
external resistor (using the law of cosines). The complex
impedance of the capacitor is given by:

1 V2R
o= Fut jot  r2iv2 avvycoso @
The angle ¢, once found, will permit describe both
real (the R_ voltage drop) and imaginary (due to C)
voltages in terms of the three measured quantities. The
following relation is valid for the internal angles of the
triangle:
¢o+d8+1=m, 3)
8, however, is equal to (- 0). Therefore, the angle ¢ can
be written as:

p=0-r= (4)
The angle zcan be written as:
_ |V2] sin 6
= NG s ®)
so that it provides:
_ _ |V|sin @
¢=20 atan(—|vl|—|vz|cos9)' (6)

Figure 3 shows again the real and imaginary phasors
of V.. It is possible then to isolate both real and
imaginary parts of the capacitor voltage.

Real (Resistive)

4 1\605& .

(i
9\

Imaginary (Reactive)

-

Z

L

VA

£

o

-
Q\;\ﬁ/

Va

Fig. 3. Decomposition to extract the V2 components.
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Using (2) and (6), the complete capacitor model can
be written as:

1 ..
Ze= R, + M—C—Zc(cosqﬁ—].smdﬂ. @)

Neglecting the fringing fields of the parallel plate
capacitor, the real part of the permittivity can be found
using (8), where d is the distance between both plates;
A indicates their respective area and & the absolute
(vacuum) permittivity:

g =t 8

Agy’

Considering the loss tangent (tan D) definition as in

(9):

tanD = g—,,, = 9)
€ 1Xcl

The imaginary part of the permittivity is then found

after the relation from (10), with @ representing the

angular frequency (recalling that R physically represents

the ESR):

e" =R, wCe'. (10)

The measurement setup needs a signal generator and

oscilloscope, with at least two channels. The generator

sets the signal frequency of a sinusoidal wave with

adequate amplitude, and both oscilloscope channels

inform the voltage amplitudes and their phase difference,
in degrees.

1. MEASUREMENT RESULTS: SOLID
CONCRETE
A parallel plate capacitor, square (length of 30 cm)
is filled with concrete (3 cm thick) according to Fig. 4.
For this specific case, the mixture is pure concrete (water,
cement, and sand as aggregate, in equal proportions), i.e.,
there are no further elements such as rocks or steel.

Fig. 4. (Left) Capacitor with its metallic plates and
(right) its dielectric inner part.

Two sets of measurements were performed: one
with a fresh concrete (3 days old) and other one cured or
dried (3 months old). Results are presented in Fig. 5 and
also in Table 1.
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Fig. 5. Measured: (a) er’ and (b) er’” for pure concrete.

Table 1; Measured relative dielectric constant

Fresh Dry
Frequency [MHZz] e e’ er e’
0.10 28.31 | 0.26 | 27.27 | 0.26
0.20 25.97 | 0.31 | 26.50 | 0.22
0.74 20.79 | 0.29 | 21.74 | 0.21
1.02 19.38 | 0.30 | 21.74 | 0.20
2.00 17.72 | 0.28 | 19.74 | 0.20

During the measurements, as the frequency was swept,
the external resistor R was set (using a potentiometer) so
that the voltage drops on Vi and V; were kept constant
(for this case, with a ratio Vi/V, = 1.67). The results
showed that the dry concrete has a slightly higher & in
comparison to the fresh — where the water content is still
high. As for the losses, the fresh concrete showed that
&’ was higher than the dried material, indicating the
water again as the likely responsible for the observed
higher dielectric losses. A similar study, for the
frequencies 500 MHz and covering the 1 GHz to 2 GHz
also showed a substantial variation on the complex
permittivity due to the moisture content [15].



IV MEASUREMENT RESULTS: SOLID
CONCRETE

A real masonry wall was built, with dimensions of
1.4 x 1.6 x 0.16 meters. It employed concrete bricks
(shown in Fig. 6) and was covered with a cement mixture
layer, as to emulate real walls. It was covered with a thin
aluminum metallic sheet- to work as the contact plates.
The measurement workflow followed suit the presented
in the former section, but for safety reasons, the concrete
cure time was duly observed, so only the dry condition
was evaluated.

1 Signal Generator Channel 1| Ogeilloscope

Channel 2

7 W 7 3

..............................................

Fig. 6. (Left) real masonry wall used for concrete
permittivity characterization and (right) concrete block

used.

Table 2 provides the permittivity (real and imaginary)
results and Fig. 7 shows the respective plots.

Table 2: Measured relative dielectric constant

Frequency [MHZz] e e’
0.05 32.89 0.29
0.10 27.67 0.25
0.15 19.19 0.25
0.20 19.07 0.37
0.25 17.25 0.44
0.30 16.22 0.45
0.35 15.59 0.43
0.40 14.45 0.51
0.50 12.95 0.58
0.75 10.48 0.48
1.00 9.16 0.51
1.21 8.96 0.50
1.50 8.24 0.46
1.70 8.15 0.48
2.00 7.95 0.48
2.30 7.60 0.45

It can be seen that the wall has smaller values for er’
in comparison to the pure concrete, given to the fact there
is a larger air content on bricks not totally solid.
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Fig. 7. Measured: (a) er’ and (b) er’’ for the wall.

V. APPLICATION: SHIELDING
SIMULATION

With the proper material data, one is able to more
accurately address electromagnetic effects in simulation
tools. To exemplify it, the electromagnetic shielding
provided by a brick box (according to Table 2) is
simulated, against an incident plane wave (Fig. 8). The
simulation was performed within FEKO, based on the
Method of Moments (MoM) [16]. The MoM discretizes
the structure in a tetrahedral mesh so that the integral
equation is solved in an iterative way. The matrix is
usually ill-conditioned, and to speed up the solution an
MLFMM (Multi-Level Fast Multipole Method) can be
employed, where the coupling among distant elements is
considered zero [17]. For this specific problem, the pure
MoM method was used since it is not electrically large.
The plane wave has a broadband spectrum, covering DC
to 2.3 MHz, amplitude of 1 VV/m. The simulation model
has a simple box with 4m length and wall thicknesses of
16 cm.
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(4“
8

Fig. 8. Model used for the simulation. The plane wave is
shown at top.

The electric field is measured by a probe (marked P
in Fig. 8) placed on the bottom of the box volume. Figure
9 shows the comparison between the electric field
attenuation (i.e., comparing the electric field amplitude
on the point P for the free space and concrete box
scenarios) inside the box with its material description
given by the measurements (Table 2) and the available
material data for “Construction Brick”, inside FEKO
database. The material data corresponds to the higher
frequencies, starting from 1 GHz, and the lower range
of frequencies is obtained after interpolation. It can be
seen that the attenuation using the electrical material
characteristics from the measurements resulted in a much
larger attenuation across a large part of the frequency
range.

o e o e e ==

—Concrete from Measurement
= = =Concrete from FEKO

Attenuation [dB]

0 0.5 1 1.5 2 25
Freq [MHZ]

Fig. 9. Computed attenuation of the Electric Field inside
the box, for two types of concrete.

V1. CONCLUSION

The article covered a simple and low-cost method to
measure the electrical characteristics of concrete, which
was applied to either a small block and also to a large
wall. The results provided the material characterization
in a frequency range where available similar results were
not found by the authors, and whose importance is vital
for applications in lower frequencies (down to few MHz),

ACES JOURNAL, Vol. 34, No. 10, October 2019

like lightning strikes and electromagnetic shielding.
Comparison to existing data inside the material database
of commercial numerical field codes also shown that the
attenuation considering the measured material is larger,
across the almost entire band up to 2.5 MHz.
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Abstract — In this paper, a compact six-channel diplexer
with low insertion loss and high isolation level is
presented. The diplexer consists of two tri-band bandpass
filters (BPFs), two meander transmission lines and hook-
shaped feeding lines. The BPFs are designed based on
stub-loaded stepped impedance resonators (SLSIRS).
Based on even- and odd-mode (EOM) analysis of the
resonator, there are two resonant modes that operate at
the same frequency. For splitting the two modes, stub-
stub coupling is employed here. The combination of the
two BPFs is implemented by utilizing two meander
transmission lines as the impedance matching network.
Finally the proposed diplexer operating at 1.46/1.74/2.96
GHz (for Load 1) and 0.89/1.15/2.40 GHz (for Load 2)
is fabricated and measured. A good agreement between
simulated and measured results evidently validates the
proposed diplexer.

Index Terms — Bandpass filters, six-channel diplexer,
stub-loaded stepped impedance resonators, stub-stub
coupling.

I. INTRODUCTION

Multiplexers with multiple passbands, low insertion
loss, high isolation level and compact size attract much
interest in multi-band wireless communication systems.
There is an increasing demand of improving the
performance of the multiplexers. To achieve this aim,
many of literatures have been published to introduce
research and development of the multiplexers. Stepped
impedance resonator (SIR) is widely used in the design
of multiplexers [1-5]. In [1], new three-way resonators
using connected- and edge-coupling mechanisms are
designed for diplexers. In [3], a triplexer using multiple-
mode resonators is presented and the triplexer features
high isolation level. In order to improve the isolation
level, branch-line coupler is employed to design the
diplexer in [6]. Open-loop ring resonators are studied in
[7-9], which can provide good performance in designing
multiplexers. A distributed coupling technique, which
needs no extra matching networks, is presented for
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Accepted On: April 3, 2019

designing a quadruplexer in [9]. In [10-13], several
effective methods and novel structures are presented to
design multiplexers.

The goal of this work is to design a six-channel
diplexer with low insertion loss and high isolation level
while maintaining a compact size. Even- and odd-mode
(EOM) analysis method is adopted to analysis the tri-
band bandpass filters (BPFs) which is the main part
of the diplexer. The BPFs are designed by stub-loaded
stepped impedance resonators (SLSIRs). Utilization of
SLSIRs makes the diplexer feature compact size and
the high harmonics can be controlled by tuning the
impedance ratio and the electrical length ratio of the
resonators. The impedance matching network between
the two BPFs is properly designed and hook-shaped
transmission lines are employed as feeding lines to
provide appropriate external coupling for the passbands
of the diplexer. The proposed diplexer features low
insertion loss and high isolation level with a compact
size. The design process is demonstrated as follows.

PORTI

PORT2
LOADI

Filerh

dy Fitera

Fig. 1. Geometry of the proposed diplexer.

I1. DESIGN METHODOLOGY

The geometry of the proposed diplexer consisting
of two tri-band BPFs is shown in Fig. 1. Filter A is
designed for Load 1 operating at 1.46/1.74/2.96 GHz
and Filter B is designed for Load 2 at 0.89/1.15/2.40
GHz. The structures of two BPFs are both based on a
guad-mode SLSIR (Resonator I, Resonator Il) and a
dual-mode SLSIR (Resonator 11, Resonator IV). In this
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paper, High Frequency Structure Simulation (HFSS)
software with Finite Element Method (FEM) is used to
analyse and optimize the performance of the proposed
structure. The numerical analysis and optimization
procedure is demonstrated as follows.

The equivalent structure of the SLSIR with four
resonant modes (Resonator I, Resonator II) is shown in
Fig. 2 (a). Because of the symmetry of the structure,
EOM analysis method is used to analysis its resonant
characteristics [14]. Figure 2 (b) shows the even-mode
(EM) equivalent circuit of the SLSIR. Figure 2 (c)
shows the odd-mode (OM) equivalent circuit of the
SLSIR. As the EM and OM equivalent circuits in Fig. 2
(b) and Fig. 2 (c) are still symmetrical (Li1=La, Lo=L3),
EOM analysis method is used to analysis the structure
again. The EOM equivalent circuits of Fig. 2 (b) are
shown in Fig. 2 (d), and the EOM equivalent circuits of
Fig. 2 (c) is shown in Fig. 2 (e).

|—

LWLy, Wy L, WL W LW, Ly, W, LW, LW,

(b) (©

1.1
0.2, g 7,5": 5" 0.2, 9,7,
[ — [ ] " Mode €2
L
L1=W'1 LW, ™= 76 LW, LW,

(d)

0.2, 9, 7, 0.2, 6,27,
I \odc 0] » Mode 02
|| 1
Llﬁml‘z’WzLS’E% L,W,L,, W,

©

Fig. 2. (a) Schematic of the SLSIR; (b) EM equivalent
circuit of the SLSIR; (c) OM equivalent circuit of the
SLSIR; (d) EOM equivalent circuits of Fig. 2 (b); (e)
EOM equivalent circuits of Fig. 2 (c).

It can be seen from Fig. 2 (d) and Fig. 2 (e) that

there are four resonant modes in total, which are named
as el, e2, ol, and 02 respectively. It is obviously that
the equivalent circuits of the four resonant modes are
quarter wavelength SIRs [15]. The basic frequencies are
defined as fe1, feo, for and foz. Figure 3 (a) and Fig. 3 (b)
show the fundamental frequencies of four modes under
different Ls and Le. It can be observed from Fig. 3 (a)
that the variation of Ls has an influence on fe1 and fou,
while fe; and foo remain constant. From Fig. 3 (b), it can
be seen that only fa1 changes with the variation of L,
while fe, for and fo; keep constant. The equivalent
circuits of mode e2 and mode 02 can be considered as
the basic structures of A/4 SIR. The resonance condition
can be deduced as:
tan(af; ) tan[(l- )6, ]1=R, , (1)
6 =6,+6,, )
where R; is the impedance ratio and o is the electrical
length ratio. R; and o are defined as R, =7,/Z, and

a=0,16, [16].
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Fig. 3. Effect of (a) Ls and (b) Ls on fundamental
frequencies of the resonant modes.
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Fig. 6. Simulated results of the SLSIR with and without
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Fig. 7. Current distributions of the SLSIR at 1.58 GHz
with and without stub-stub coupling.
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Fig. 8. (a) Simulated coupling coefficient M (for
1.74 GHz) under different d;. (b) Simulated coupling
coefficient M (for 1.46 GHz) under different L.

It can be seen that resonance condition of A/4 type
SIR is related to the electrical length ratio and the
impedance ratio. Thus, the spurious generation can be
controlled. The first harmonic frequency is defined as
fs1 and Fig. 4 shows the relation between fs/fo and o
with different R,. It is obviously that frequency ratio
can be configured in a wide range.

It can be seen from Fig. 2 that the equivalent
circuits of Mode e2 and Mode 02 are identical. To spilt
two resonant modes, we employ stub-stub coupling to
introduce capacitive coupling between two stubs in
the proposed SLSIR. Figure 5 shows the structure of
Resonator | with and without stub-stub coupling. The
resonator is folded inwards to form coupling effect,
which provides additional signal deliver path. Figure 6
shows the simulated Sy; parameter of the resonator
without stub-stub coupling. By the stub-stub coupling,
a transmission zero at 1.58 GHz is created. Current
distributions of the resonator at the transmission zero,
which are shown in Fig. 7, can be adopted here to
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demonstrate the effect of stub-stub coupling. The
electric current passes through the Path Il due to stub-
stub coupling and cancels the electric current which
passes through the Path I, and this effect stimulates the
transmission zero.

The coupling between the two resonant modes,
which form one passband, needs to be optimized. The
passband ripple is set as 0.1 dB and element values
of the lowpass prototype filter are go=1, 91=0.8431,
9.=0.6220 and gs=1.3554, respectively. For the structure
of Resonator | in Fig. 5, the central frequencies of the
passbands are set as 1.46 GHz and 1.74 GHz. The 3 dB
fractional bandwidths (FBW) is 7% and 5%, respectively.
The required coupling coefficients are M=0.097 (for
1.46 GHz) and M=0.069 (for 1.74 GHz), which can be
calculated theoretically from the equation:

FBW

. 3
V9.9, ©

It is worth noting that equation (3) is used in
theoretical synthesis. During the simulation and
optimization, the coupling coefficients can be computed
as:

M =

A

- , 4
f2+f? )

where fy and f_ represent the higher resonant frequency
and lower resonant frequency [17]. The simulated
coupling coefficient at 1.46 GHz is mainly influenced
by Le and the simulated coupling coefficient at 1.74 GHz
is mainly influenced by di. As the length of Ls does not
influence the simulated coupling coefficient at 1.74 GHz,
the value of d; is first decided based on the required
coupling coefficient of 1.74 GHz band. Then, the value
of Le is optimized based on the required coupling
coefficient of 1.46 GHz band. Thus, the coupling
coefficients of two bands can be tuned independently.
Figure 8 shows the simulated coupling coefficient M
under different lengths d; of and Le. It can be observed
that the coupling coefficient of 1.46 GHz increases with
the increasing of the length of Le, while the coupling
coefficient of 1.74 GHz decreases with the increasing
of the length of di. The optimized lengths are set as
d;=0.3 mm and Ls=0.9 mm for the required coupling
coefficients. To obtain a tri-band response, we employ
a dual-mode SLSIR (Resonator IlI), which is placed
on the upper side of Resonator | as shown in Fig. 1 and
operates at 2.96 GHz. Similarly, EOM method can be
adopted here to make an analysis of Resonator Ill. The
corresponding dimensions of Resonator 111 are optimized
and a tri-band BPF Filter A can be obtained. Meanwhile,
hook-shaped lines are used as feeding lines of the BPF.
According to the above discussion, Filter B consisting
of Resonator 1l and Resonator 1V as shown in Fig. 1 can

be designed by using the same method. The proposed
diplexer is formed by the combination of Filter A and
Filter B, which is implemented by utilizing two meander
transmission lines as the impedance matching network.

To summarize the design procedure, design
specifications are given as follows:

a) Decide the original dimensions of Resonator |
and Resonator Il based on the required frequencies
using EOM method.

b) Calculate the required coupling coefficients,
design stub-stub coupling structure and optimize the
dimensions of Resonator | and Resonator I1.

c) Design Resonator Il and Resonator IV using
EOM method.

d) Combine two BPFs by meander transmission
lines and carry out final optimization of the diplexer.

I1l. TEST OF DIPLEXER
The thickness of the dielectric is h = 1 mm and
relative permittivity of the substrate is ¢ = 2.65. The
specification of the proposed diplexer is set as the center
frequencies f,=0.89 GHz, f,=1.15 GHz, f;=1.46 GHz,
f4=1.74 GHz, fs=2.40 GHz, and fs=2.96 GHz with 3 dB
FBW of FBW1=11%, FBW2=9%, FBW3=7%, FBW4=5%,
FBW5=4% and FBW6=3%, respectively. The required
coupling coefficients are M=0.152 (for 0.89 GHz),
M=0.124 (for 1.15 GHz), M=0.097 (for 1.46 GHz),
M=0.069 (for 1.74 GHz), M=0.055 (for 2.40 GHz) and
M=0.041 (for 2.96 GHz), respectively. The optimized

dimensions are given in Table 1 (all in mm).

Table 1: Design parameters of the six-channel diplexer
PARM | Value | PARM | Value | PARM | Value

Ly 10.1 L, 13.3 Ls 13.3
L4 10.1 Ls 11 Le 0.9

Ls 18.6 Lg 17.07 Lo 17.07
Lo 18.6 L 3.85 L1 2.26
Lis 18.35 Lis 20.3 Lis 31.8
Lie 30.4 Li7 19.14 Lisg 0.2

Lo 23.12 L2o 0.48 L2 69.07

L2 39.3 Wy 1.9 W, 0.5

W3 1 W, 1.85 Ws 0.5
Ws 1 W7 0.4 Ws 0.4
W 0.5 Wi 1.4 Wiy 0.15
W1, 1 W3 0.7 W14 2.7
dy 0.3 d, 0.35 ds 0.3
dy 0.2 ds 0.4 de 0.52

a 1.4

Figure 9 shows the photograph of the fabricated
diplexer. The circuit size is around 0.3714x0.184,
where Jq is the guide wavelength on the used substrate
at 0.89 GHz.
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Fig. 9. Photograph of the fabricated diplexer.

Simulated and measured S-parameters of the
proposed diplexer are shown in Fig. 10. Agilent
8719ES network analyzer is adopted here to measure
the performance of the diplexer. The measured central
frequencies of six channels of the diplexer locate at
0.89 GHz, 1.16 GHz, 1.46 GHz, 1.75 GHz, 2.4 GHz
and 2.96 GHz with 3dB FBW of 10%, 9%, 6%, 6%, 4%
and 3%, respectively. The measured minimum insertion
losses of six channels are 0.95 dB, 0.84 dB, 1.3 dB,
1.17 dB, 1.57 dB and 1.8 dB, whereas the simulated
minimum insertion losses are 0.72 dB, 0.77 dB, 0.95 dB,
0.81 dB, 1.21 dB and 1.58 dB, respectively. The small
deviation may be caused by the fabrication machining
error. The Sy1 parameters are lower than -15.6 dB and
the measured Sz, is lower than -37 dB as shown in Fig.
10.
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Fig. 10. Simulated and measured S-parameters of the
proposed diplexer.

Table 2 shows comparisons between this work and
previous research. It can be seen that the proposed
diplexer features lower insertion loss and higher isolation
with a compact size.

ACES JOURNAL, Vol. 34, No. 10, October 2019

Table 2: Comparisons between this work and previous

research
Ref Passbands | Insertion Loss | Isolation | Size
' (GHz) (dB) (dB) (%)
0.9/1.5/ 2.02/1.56/
6 | 2435 | 208252 | 72 004
1.8/2.4/3.0/ | 1.8/1.9/1.0/
16 | 384758 | 1502106 | 730 |00
This 0.89/1.16/ | 0.95/0.84/
work 1.46/1.75/ 1.3/1.17/ >37 0.067
2.4/2.96 1.57/1.8

IV. CONCLUSION

In this letter, a six-channel diplexer using novel
SLSIRs is presented. The proposed diplexer is formed
by two tri-band BPFs, which can be designed using the
EOM analysis method. Two meander transmission lines
are utilized to combine two BPFs and achieve impedance
matching. A good agreement between simulated and
measured results evidently validates the proposed
diplexer.
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Abstract — This paper presents a high selective diplexer
with hybrid filters, which is composed by dual-mode
microstrip resonators with metallic coaxial shielding
cases of RF module. By utilizing vertical space above
microstrip circuits which greatly saves space, an
additional pair of transmission pole and zero are hereby
added in the passhand and stopband, respectively. The
proposed structure provides high quality-factors to
enhance frequency selectivity. For demonstration, a
diplexer prototype is designed and fabricated at the
center frequencies (CF) of 2.40 and 3.45 GHz with a
3-dB passband bandwidth of 200 MHz. The measured
insertion losses (IL) are 1.45 dB and 1.61 dB in the lower
and upper passbands respectively. The output isolation
between two channels is measured greater than 32 dB.

Index Terms — Cavity, diplexer, hybrid structure,
microstrip.

I. INTRODUCTION

Diplexers are the key components in modern multi-
services and multi-band communication systems,
especially in the radio frequency (RF) front-ends. They
are used to separate one input signal from two different
frequencies into two individual signals at the output
ports, or to combine two separate input signals into one.
In order to decrease the number of antennas, the full-
duplex wireless communication systems utilize diplexers
for transmitting and receiving signals. In order to
meet the demands of modern systems with stringent
requirements, high-performance diplexers are necessary.
Numerous literatures on designing diplexers have been
reported in recent years. Compact composite right/left-
handed (CRLH) microstrip resonators were used in
diplexer [1]. Dual-mode resonators were employed to
achieve a compact and wide-stopband diplexer [2]. High
quality-factor (Q-factor) dielectric resonators were
utilized to design diplexer in base station applications
[3]. Substrate integrated waveguide (SIW) loaded with
complementary split ring resonators (CSRRs) were
applied to develop a compact diplexer [4]. SIW dual-
mode filters with circular and elliptic cavities were
implemented on a high performance diplexer [5].
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In this paper, the diplexer with two triple-mode
high-selectivity bandpass filters is designed. The proposed
hybrid filter structure is realized by a metallic coaxial
resonator formed by shielding cavity with a copper rod
in space and a dual-mode planar microstrip resonator on
the surface. In the case of maximizing the vertical space
above the planar circuit, the third resonant mode has
been generated without size enlargement. These hybrid
structures not only introduce pairs of transmission zeros
and poles which improved the out-of-band suppression
but also greatly enhance the unloaded Q-factors. A high
selective diplexer at frequencies of 2.4/3.45 GHz is
designed and fabricated to demonstrate the proposed
structure with good in-band performance. The measured
results exhibit good agreements with the simulated ones
by careful comparisons.

Fig. 1. Coupling and routing topology of the proposed
diplexer.

I1. DESIGN OF DIPLEXER AND FILTERS

The coupling and routing topology of the hybrid
diplexer with triple-mode responses is illustrated in Fig.
1. Figure 2 shows the 3D configurations of the proposed
hybrid diplexer which consists of two triple-mode filters.
Meanwhile, the structures of the planar circuit parts are
described in Fig. 3.

The proposed diplexer is comprising of two
individuation channels connected with 500hm common
input/output ports through a T-junction. Figure 1 shows
the routing topology of triple mode resonator. The black
node in each channel represents a resonant mode. For
each proposed hybrid filter, the even and odd modes

1054-4887 © ACES



(mode 1 and 3) are generated by planar microstrip
structures, while the shielding cavity forms the high-Q
resonant mode (mode 2) with a copper rod. Symbol S
and symbol L are utilized to represent the input and
output port. The band-pass filters of each channel are
designed by using the hybrid cavity-microstrip structure
with different specifications.

Fig. 2. 3D Configuration of the proposed diplexer.

Lt

(b)

Fig. 3. Configurations of the diplexer components: (a)
microstrip resonator and (b) T-junction.

After the two individual channels are designed,
the T-junction is carefully designed and optimized for
connecting the two sub-channels with 1/O ports, and one

SHU, ZHANG: A DIPLEXER BASED ON HYBRID CAVITY AND MICROSTRIP STRUCTURE

stub could be considered as an open circuit to another.

The grounded planar dual-mode open-loop microstrip
resonators in each channel have been demonstrated in
the previous literature [6], and are utilized to design
microstrip resonators with low Q-factor. The limited
and relatively low unloaded quality factor is a part of
the significant problems restricting the performance of
filters. It is a known fact that coaxial resonators have
greater quality factors than microstrip resonators. To
obtain higher Q-factor and the selectivity of filter with
the full use of the vertical space above the planar circuit,
we introduced a copper rod into the shielding cavity for
generating triple-mode resonance. As shown in Fig. 3 (a),
the planar microstrip part consists of input and output
coupling lines with dual-mode circular open-loop
resonators. The characteristic impedance of the input/
output lines are selected as 5002, and the length of
source-load coupling line is Ls. The dual-mode filter is
comprised of a half-wavelength resonator with a circular
open stub placed in its center. The radius of the inner
circular stub is Reo, the radius of the open-loop resonator
is Rc1, and the radius of the feeder is Reo. From Fig. 3 (b),
the T-junction with three stubs which connect the input
port with two separate channels, the length of the stubs
is Lrtin, Ltour and Lrour2 respectively. The layout of the
proposed hybrid bandpass filter is shown in Fig. 4, while
the radius of the centered copper rod is Ry, and the
distance from the bottom of the rod to the planar
microstrip circuit is Hi. The length, width, height, and
thickness of the shielding cavity are Li, W1, Ho, and
W, respectively. By welding the copper rod inside the
shielding cavity to produce additional transmission zero
and transmission pole, thereby enhancing out-of-band
suppression and effectively improves the anti-jamming
ability.

W

s " M -

Ly

(@) (b)
Fig. 4. Layout of the proposed hybrid bandpass filter: (a)
top view and (b) orthographic view.

Design of the proposed hybrid diplexer follows the
following steps:

Stepl: Based on the odd and even mode theory
analysis, the initial dimensions of the dual-mode
microstrip bandpass filters which operate at 2.4 GHz
and 3.5 GHz are determined, respectively. For each
microstrip filter, two transmission zeros in the higher
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frequency stopband of the filter are determined by the
half-wavelength resonator with a circular stub. By
changing the radius of the inner circular stub and
increasing the length of source-load coupling feeders, the
two transmission zeros in the higher frequency stopband
can be adequately controlled. The first transmission zero
moves to a higher frequency as the radius increases. The
second transmission zero moves to a lower frequency as
the coupling length decreases.

Step2: To improve the ability of out-of-band
suppression and to improve the anti-jamming performance,
we adopt the hybrid structure of a shielding cavity with
a copper rod to generate the third resonant mode. By
controlling the distance between the copper rod to the
planar circuit, the frequency responses of the transmission
zero in the lower stopband and the pole in the passband
can be tuned to obtain the best triple-mode frequency
response.

Step3: Optimizing the T-junction to connect both
the triple-order bandpass filters to form the desired
diplexer. For each stub of the two output ports, one stub
could be considered as an open circuit to another.

To address the above scenario, we take the hybrid
filter of Channel 1l with a central operating frequency of
3.45 GHz as the prototype model. Its coupling topology
is shown in Fig. 1. Modes 1 and 3 are the even and odd
modes of the planar dual-band microstrip resonator,
while Mode 2 is formed by the coaxial shielding cavity.
The coupling schemes can be analyzed from its coupling

matrix [7]:
0 0.4696 0.4575 0.7696 -0.0145
0.4696 -1.435 0 0 0.4696
M =| 0.4575 0 1.4029 0 0.4575 |.
0.7696 0 0 -0.0544 -0.7696
—0.0145 0.4696 0.4575 -0.7696 0

Since the proposed triple mode hybrid resonator
exhibits symmetry, the coupling matrix is agreed
with M =M,;, M ;,=M,, and M ,=-M, . An
additional transmission zero is implemented by the
source-load coupling on the planar resonators. Although
the cross-couplings are not precisely equal to zero, the
number of cross-couplings is minimal that considered
negligible when compared with the main couplings,
which makes it easier to represent the coupling matrix.
The generalized coupling matrix of the proposed hybrid
filter of 3.45GHz is designed by synthesis method.

The geometric dimensions of the exampled 3.45GHz
Channel with coaxial shielding cavity is derived as
Ri=4.3mm, W;=30mm, L;=32mm, W,=3mm, and
Ho=20mm. Meanwhile, parameters of planar microstrip
resonator are Rco=4.3mm, Rc1=6.05mm, Re=6.75mm
with ©¢=22.4 deg. Figure 5 presents the frequency
responses of the shielding cavity with or without the
copper rod.
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Fig. 5. Frequency responses of shielding cavity with or
without copper cylinder.

Without the copper rod, the cavity resonates at the
fundamental frequency of the TE10; mode (which operates
at 8.36 GHz), by introducing the copper rod into the
shielding cavity, the resonant frequency shifts to the
lower band. Figure 6 exhibits the variation of resonant
frequencies and unloaded Q factors with H; and Ry,
when H; equals to 2.2 mm, and the resonant frequency is
3.41 GHz.

With the increase of Hj, the resonant frequency of
the shielding cavity moves upward, and the Q_factor
increases. With the additions of Ry, the resonant frequency
moves to reduce, and the Q-factor decrease. However,
with larger values of Ry, the influences on the resonant
frequency and Q_factor decrease. For different resonance
center frequencies, it is necessary to select the optimal
values of H; and R; to obtain the best Q value by
simulation. As a result, the proposed hybrid structure
exhibits a higher unloaded Q-factor than the conventional
microstrip resonators.

To verify the design concepts above, we designed
and fabricated two hybrid cavity-microstrip bandpass
filters on substrates, with the dielectric constant of 2.2
and a thickness of 0.508mm, operating at 2.40 GHz and
3.45 GHz respectively. The simulated and measured
results are illustrated in Fig. 7 and Fig. 8, the simulated
and measured results of the designed filters are shown
with appropriate agreements.

After obtained the two filters with desired frequency
responses, the T-junction is correctly designed for channel
connection with the input/output ports. The specifications
for both resonators and T-junction which constituted the
exampled 2.4/3.45GHz diplexer are listed in Table 1, the
width of the microstrip lines for both input and output
lines are 1.54mm (the width of 50Q microstrip line). The
distance between the feeders to the resonators is 0.2mm,
and the width of both feeders and the connection line
between the circular stub and resonators are equal to
0.5mm. This designed diplexer occupies an overall size
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of 0.92,0%0.2410%0.216A0, Where A is the wavelength in
free space at the center frequency of the lower channel.

10K~
9k -
8k -
g:rk-

il
C-,Sk—

-
=

Resonant Frequency (GHz)

Fig. 6. Resonant frequency (a) and unloaded Q-factors
(b) with the variations on Hy and Rs.

Table 1: Specifications for the components of the diplexer
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Fig. 7. Simulated and measured results of the proposed
triple mode filter in Channel I.
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Fig. 8. Simulated and measured results of the proposed
triple mode filter in Channel I1.

Reo (mm) Re1 Re2 Lc Ls (O (deg)
Channel 1 4.8 8.5 9.2 4.3 2.2 23.2
Channel 2 4.3 6.05 6.75 6.75 1.4 22.4
Lrin(mm) Lrout Lrout2
T-junction 13.46 15 32
R1 Ho H; W, W, L:
Cavity 1 6 27 2.1 30 3 32
Cavity 2 4.3 20 2.2 30 3 32

111. MEASUREMENT OF THE DIPLEXER
Based on the above analysis, the proposed hybrid
cavity-microstrip structure is experimentally designed.
The configuration for the 2.4/3.45GHz diplexer is shown
in Fig. 2. The diplexer comprised of two individual
triple-mode hybrid resonators connecting with a T-
junction. Shielding cavities for each channel are

fabricated by aluminum with an embedded copper
cylinder. The planar microstrip circuits are fabricated
on Taconic TLY-5 substrate with a relative dielectric
constant of 2.2 and a thickness of 0.508mm. A photograph
of the hybrid diplexer is shown in Fig. 9. And the
simulated and measured results are presented in Fig.

10.
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Fig. 9. Photograph of the proposed diplexer.

The measured frequencies of the two channels are
centered at 2.40 GHz and 3.45 GHz with the corresponding
3-dB bandwidth of 8.3% and 5.8%. And the insertion
losses of the two channels are 1.45 dB and 1.61 dB
individually, which might comprise additional losses
from surface mounted adapter (SMA) connectors.
Measurement return losses are always better than 16 dB
and 20 dB in the lower passband and higher passband.
Three transmission zeros are generated to enhance the
selectivity of each channel. The isolation between the
two channels is better than 32 dB from 1 to 5 GHz. We
hypothesized that the slight discrepancies between the
measured and simulated results perhaps because of the
connections with the test fixture and the unexpectedly
tolerances from fabrication. Table 2 summarized
comparisons between diplexers from reported in Section
| and the proposed diplexer, since the heights of the
airbox were not given in [1], [3] and [4], the values of
height (the third parameter) in Table 2 are estimated from
simulation conditions does not include the thickness of

Table 2: Comparisons with other reported literatures
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shielding cavities(five times as the thickness of the
substrate).
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(b)

Fig. 10. Comparisons of simulated and measured results
for: (a) S11, S21 and S31 and (b) S23 of the proposed
diplexer.

Reference | CF (GHz) Structure Order IL (dB) Isolation (dB) Size
[1] 1.80/2.38 | Microstrip 3 1.38/1.44 >25 0.12)4%0.2314%0.022)4
[2] 1.95/2.14 | Microstrip 2 1.64/1.59 >30 0.172,4%0.3514%0.0274
[3] 2.55/2.66 | Dielectric 3 0.63/1.10 >18 1.02)0%0.5121,0%0.520
[4] 4.66/5.80 SIW 2 1.60/2.30 >32 0.272,0%0.217)0%0.008)\0
. . 0.9%0%0.242,0%0.216A0
Thiswork | 2.40/3.45 Hybrid 3 1.45/1.61 >32 (118250 3162,4x0.2842)

1V. CONCLUSION

A hybrid cavity-microstrip diplexer with multiple-
controllable TZs is proposed and demonstrated in this
paper. Two triple-mode bandpass filters with high Q-
factor and high selectivity are obtained by utilizing the
proposed hybrid structure. In addition to the planar
microstrip dual-mode resonator, the third resonant mode
is produced by the couplings between the planar circuits

and shielding cavity with a copper rod, significantly
improves the frequency selectivity and the isolation
between channels. The correctness of the design is
verified by the prototype test; the measurement agrees
well with simulated results. With the merits of low
insertion loss, high selectivity and high isolation, which
provides a good choice of modern multi-service and
multi-band communication applications.
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Abstract — This paper presents a dual band rectenna for
RF energy harvesting applications. The receiving slot
antenna has a single feed configuration with a coplanar
waveguide (CPW) structure. A grounded-L strip is
employed for circular polarized (CP) radiation. A stepped
impedance matching stub is used to enhance the coupling
between the feed line, inverted L-strip, and the slot. An
asymmetric U-shaped strip is embedded near the upper
right corner of the slot as a perturbed element. This
asymmetric U-shaped strip is a key component to
excite the required phase perturbation to produce a CP
radiation. The antenna operates in the WiFi frequency
bands of 2.45 GHz (IEEE 802.11b&g) and 5 GHz
(IEEE 802.11a/h/j/infaclax WLAN system). A dual
band voltage doubler rectifier has been designed and
implemented for RF to DC conversion. The impedance
matching network for this rectifier is based on a IT-model
dual band impedance transformer that is optimized to
match two unequal complex loads at two operational
frequencies.

Index Terms — Circular polarized antenna, dual band,
rectenna, rectifier, RF energy harvesting, TI-model
impedance transformer.

I. INTRODUCTION

The concept of allowing energy to flow between two
points in space is a promising scheme in order to measure
several physical quantities and benefit from these
measures using suitable sensing devices, which will be
powered by Wireless Power Transfer (WPT) scheme.
This will increase the number of devices that can be
powered simultaneously without the need for wired
connections or even bulky batteries [1]. The power is
transmitted in RF and then collected by a receiving
antenna and converted to DC power using rectifier. This
DC energy can be used as a source for low power devices
or stored in storage devices as super capacitors, for
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example. The combination between antenna and a
rectifier is called a rectenna. Each harvesting node must
contain a rectenna to capture the RF energy transmitted
in space.

The rectenna is the key element in RF energy
harvesting system. Circular polarized (CP) rectennas
can be used due to the ability to obtain constant DC
power at random polarization angles. In order to avoid
the 3-dB polarization mismatch loss, Sun and Geyi in [2]
proposed a dual linearly polarized receiving antenna and
consequently dual feeding ports are required. In recent
literature, different rectenna designs have been published
for RF energy harvesting applications. These rectennas
can operate in single band [2], dual band [3-7], and
multiband [8-10]. Higher power conversion efficiency
(PCE) can be obtained in narrow single band rectennas,
but the amount of harvested RF power is low. On the
other hand, multi-band rectennas suffer from lower PCE,
but more harvested power. The challenge is to maximize
the PCE for dual band or multi-band rectennas at the
specific operating frequencies. Other trend is to present
a broadband operation [11] in order to accumulate more
RF power from different frequency bands.

In this paper, a dual band rectenna operating at
2.45 GHz ISM band and WLAN 5 GHz is proposed.
The rectenna consists of a dual band CP slot antenna
with coplanar waveguide (CPW) feed, and a dual band
voltage doubler full wave rectifier. Each part of the
rectenna is designed and tested separately, and then
assembled in order to evaluate the overall performance.
Both of the antenna and the rectifier have been fabricated
on the standard FR4 substrate for cost reduction and ease
of integration with the rest of the sensing circuitry. This
paper is organized as follows: the design of the receiving
antenna is presented in Section Il. The design of the
rectifier circuit is given in Section Ill. Section 1V
introduces the rectenna system performance, while
Section V gives the conclusion.

1054-4887 © ACES
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I1. RECEIVING ANTENNA DESIGN

The geometry of the proposed dual-band CP slot
antenna with coplanar waveguide (CPW) feed is
illustrated in Fig. 1. The antenna is fabricated on a square
FR4 substrate with a dielectric constant of 4.3, thickness
(h) of 1.6 mm, and loss tangent of 0.025. The antenna is
fed by CPW line at the center of the structure. The CPW
line has a 50 ohms characteristic impedance with a width
W:s and a gap gr. The size of the antenna is 54x54 mm?.
A ring is formed by folding the ground plane, then a
rectangular slot is subtracted from this ground to present
the main radiating element of the proposed antenna. The
slot dimensions are 30x34 mm? which is designed to
operate at 2.45 GHz. The A and L are optimized with
AJL ratio of 1.588 in this study. The other dimensions of
the antenna are listed in Table 1.

It is evident to note that there is a protruded tuning
stub which is wider than the feed line. It may be
considered as a stepped impedance section that greatly
enhances the coupling between the feed line, inverted L-
strip, and the slot. It also perturbs the magnetic current
distribution in the slot so that the 3-dB axial ratio band
would be adjusted. An inverted-L strip at the upper left
corner of the slot contributes to the circular polarized
radiation of the antenna [12]. This grounded L strip should
be square (14 mm x 14 mm) in order to enhance the axial
ratio bandwidth for the lower resonant frequency.

| A |

™N

y
h]
T Y

Fig. 1. Geometry of the proposed dual band CP slot
antenna with CPW feed.

Two chamfered corners are used in the slot. The 1%
one is at the lower left corner of the slot which helps to
realize circular polarization at the higher frequencies.
The 2™ one is located at the upper left corner of the slot
and its dimension is optimized to be 12 mm, which is
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close to the size of the inverted-L strip and this greatly
enhances the circular polarized radiation at the 2.45 GHz
resonant frequency. An asymmetric U-shaped strip is
embedded near the upper right corner of the slot as a
perturbed element. This asymmetric U-shaped strip is a
key component to excite the required phase perturbation
to produce a CP radiation [13]. It also generates the dual
band operation of the antenna.

Table 1: Dimensions of the proposed antenna (unit: mm)

A 54 Wi 3
L 34 W 8.74
L¢ 10 tw 0.6
Ls 16 W1 8
L1 14 W> 3
L2 15 W3 1
Ls 5.6 9r 0.3
Lx 14 gs 0.59
L, 14 Us 0.5
Ci 8 C> 12

The extensive simulation trials illustrate that the
inverted-L strip and the assymmetric U-shaped strip are
key components to excite the required perturbation for a
circular polarized radiation creation. There is a tradeoff
between obtaining good impedance bandwidth (]S11|<
—10 dB) and good axial ratio bandwidth (AR< 3 dB).
Therefore, optimization is used in order to achieve good
performance in both the reflection coefficients and ARs.
In order to design the proposed dual band CP slot
antenna, the design optimization procedure is as follows:

1) Determine antenna size A and slot size L to adjust
half wavelength resonator at 2.45 GHz.

2) Adjust the inverted-L strip and associated
chamfered corner C2 for axial ratio bandwidth
(ARBW) at the lower band.

3) Adjust the asymmetric U-shaped strip and
associated chamfered corner C1 for impedance
matching and ARBW at the higher band.

4) Perform impedance matching tuning using the
protroded stub with its stepped impedance
structure.

5) Slightly optimize the dimensions of the proposed
antenna to achieve the desired dual band CP
performance.

The antenna prototype is shown in Fig. 2. The
reflection coefficients are obtained by simulation and
measurement using Computer Simulation Technology
Microwave Studio (CST MS) ver. 2017 and Agilent
8719ES vector network analyzer, respectively to validate
the design. Two frequency bands of operation at 2.45
GHz and 5 GHz are observed in Fig. 3. The achieved
frequency bands (for |S11| < -10 dB) are 1.73-2.64 GHz
(with bandwidth of 910 MHz) for the IEEE 802.11b&g
WLAN system, and 4.83-5.19 GHz (with bandwidth of
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360 MHz) for the IEEE 802.11a/h/j/nfac/ax WLAN
system. The 2nd operating band covers different channels
in the 5 GHz WLAN. These channels, according to the
standard spectrum, are 7, 8, 9, 11, 12, 16, 34, 36, 38, 40,
42, 44,183, 184, 185, 187, 188, 189, 192, and 196 [14].

2 3 4 5 6
Frequency (GHz)

Fig. 3. Reflection coefficient of the proposed antenna.

The AR results also demonstrate the two operational
bands at 2.45 GHz and at 5 GHz, respectively, as
illustrated in Fig. 4. The achieved frequency bands (for
AR < 3 dB) are 2.29-2.458 GHz (with bandwidth of
170 MHz) in the lower band, and 4.88-5.95 GHz (with
bandwidth of 1.07 GHz) in the upper band. The measured
values of the antenna axial ratio are 1.458 dB and 1.205
dB at 2.45 GHz and 5 GHz, respectively.

|/

w a0

Axial Ratio (dB)
- »
—

o

3 4 5 6 7
Frequency (GHz)

=y
N

Fig. 4. Simulated axial ratio of the proposed antenna.

The designed antenna radiation patterns are examined
by numerical simulations. The 3-D radiation pattern is
shown in Fig. 5. In addition, measurement and simulation
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results for both the E-plane and H-plane radiation
characteristics are illustrated in Fig. 6. The antenna
radiates in both front and back directions since all metal
patches are printed on the top of the substrate. Also, at
higher frequencies, the radiation patterns exhibit more
rapid variations. The antenna gain variation is illustrated
in Fig. 7. At 2.45 GHz, the achieved gain, directivity, and
radiation efficiency are 3.74 dBi, 4.035 dBi, and 93.4%,
respectively. At 5 GHz, the achieved gain, directivity,
and radiation efficiency are 3.32 dBi, 4.09 dBi, and
83.7%, respectively.

Fig. 5. 3-D radiation patterns of the proposed antenna at:
(a) 2.45 GHz and (b) 5 GHz.

—E-plane (Simulated)
--- E-plane (Measured)
—H-plane (Simulated)
0 H-plane (Measured)

— E-plane (Simulated)
--- E-plane (Measured)
° —H-plane (Simulated)

0] ceees H-plane (Measured)

(b)

Fig. 6. Normalized radiation patterns of the proposed
antenna at: (a) 2.45 GHz and (b) 5 GHz.
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Fig. 7. Gain of the proposed antenna.

I1l. RECTIFYING CIRCUIT DESIGN

The structure of the rectifier consists of an
impedance matching network, conversion circuit, and
a resistive load. This can be illustarted from the block
diagram of rectenna structure, shown in Fig. 8. The role
of the impedance matching network is to maximize
the power transfer from the receiving antenna to the
conversion circuit. Then, the process of converting AC
to DC signal is done. The topology of the conversion
circuit used in this paper is the voltage doubler full wave
rectification circuit and the schottky diode HSMS-2860
is selected to be the rectifying device. Figure 9 illustrates
the equivalent circuit model of the Schottky diode
HSMS-2860. The most important component in the
design of a rectifying circuit is the diode. Spice model
parameters are taken from [15]. The diode turn on
voltage Vr is 0.4 V and the reverse breakdown voltage
Vi is 7 V. The series resistance Rs is 6 ohm and there
is a variable junction resistance R; in parallel with a
junction capacitance C; of 0.18 pF. The diode packaging
leads to the emergence of the parasitic phenomenon that
can be considered by a parasitic inductor of 2 nH and a
parasitic capacitance of 0.08 pF.

Receiving

RF Signal Source Antenna

Energy Harvesting Circuit

o “

. Matching Rectifier Load %
'-,. Circuit 5

tea,
Teraa,

Fig. 8. Block diagram of rectenna structure.

0.08 pF

|]
I

2nH R;

_fYY\_,_W\,_%_
Rg
||
11
0.18 pF

Fig. 9. Equivalent circuit model of the Schottky diode
HSMS-2860 [13].
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Before designing the impedance matching network,
the input impedance of the voltage doubler circuit has
to be calculated. This process has been done using the
Advanced Design System (ADS) simulator and the real
and imaginary parts of the input impedance at 0 dBm are
illustrated in Fig. 10. At 2.45 GHz, the input impedance
is 1.046—j102.68 Q, while at 5 GHz, the impedance is
1.142-j34.1 Q.
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Frequency (GHz)

Fig. 10. Complex input impedance of the voltage doubler
circuit at 0 dBm.

The impedance matching network is designed in
order to match the receiving antenna with the rectifier
at these two frequencies of operation, hence reduces
power losses. Generally, lumped elements and distributed
elements can be used for this purpose. In this paper,
distributed elements are used in the form of II-section
configuration in order to achieve impedance matching at
the two frequencies of operation. The lumped elements
are not preferred due to their parasitics above 1 GHz and
the limited available commercial values of these inductors
and capacitors. According to [16], the IT section model
has been used as a dual band impedance matching
transformer for unequal complex impedance loads. The
reflection coefficient of the matching network is shown
in Fig. 11 and this proves the capability of the dual
frequency matching circuit.

0 A I
10 - \/, N N d/—

8 20 7/
_‘t 30 -.---S11 Simulated (CST)
2} - .8, Simulated (ADS)
-40 —S” Measured
-50 :
1 2 3 4 5 6

Frequency (GHz)
Fig. 11. Reflection coefficient of the matching network.

The geometry of the proposed dual band rectifier is
illustrated in Fig. 12. The dimensions of the rectifier are
64 x 28.8 mm?. The distance between the voltage doubler
circuit and the matching network is implemented in the
form of a meander line for size reduction. Also, the tuning
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stub is printed as an L-shaped stub for miniaturization.
The characteristic impedance Z. and the electrical length
0. of the sections constituting the IT-model structure
are initially calculated according to [16]. Then, the
corresponding dimensions are optimized using ADS
simulator, and the final dimensions are shown in Fig. 12.

uwgs "8

L.

67 . 00mm
Fig. 12. Geometry of the proposed dual band rectifier.

Figure 13 illustrates the ADS simulation for both
the voltage doubler circuit and the TI-model impedance
matching circuit. The rectifier is fabricated on FR4
substrate with a dielectric constant of 4.3, thickness (h)
of 0.8 mm, and loss tangent of 0.025. The total size of
the rectifier is 64 x 28.8 x 0.8 mm?®, Figure 14 shows the
photograph of the fabricated rectifier.

HSMS2860
1 »l
T Lt} I
& = = ﬁ
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G R
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1 1 | ? 1
MLIN iy MLIN MLIN
Ui TEE_ADS TL2 MTEE_ADS TL4
I Subst="MSub1 Teed Subst="MSub1" uebi‘_"Msum“Subst— MSub1
PORT1 Subst="MSub1"
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i M
7250 Ohm miloo Loe e
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Fig. 13. ADS simulation for: (a) voltage doubler circuit,
and (b) II-model impedance matching circuit.
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Fig. 14. Photograph of the fabricated rectifier.

Figure 15 shows the simulated and measured output
voltage of the dual band rectifier as a function of the
input power level when it is varied from -25 dBm to
15 dBm, and the load resistance is fixed at 1KQ. For
example, at 0 dBm, the simulated DC output voltage is
0.352 V at 2.45 GHz while it is 0.175 V at 5 GHz. The
measured values are lower than the simulated ones. In
addition, the power conversion efficiency is depicted in
Fig. 16 for the dual frequency bands.

Different factors affect the conversion efficiency
such as the diode turn on voltage, breackdown voltage,
operating frequency, series resistance, and the load
resistance [1]. The maximum simulated power conversion
efficiency reaches 35.4% at 2.45 GHz and 20.9% at
5 GHz, at input power of 15 dBm. This may be due to the
fact that the series resistance and the junction capacitance
filter out much power as the frequency increases. Of
course, the measured values are lower than the simulated
ones.

'S'Vout at 2.45 GHz (Simulated)
{Fvnul at 2.45 GHz (Measured)
----- Vnu‘ at 5 GHz (Simulated)

—Vou. at 5 GHz (Measured)
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Fig. 15. Output voltage of the dual band rectifier.
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Fig. 16. Power conversion efficiency of the dual band
rectifier.



IV. RECTENNA SYSTEM PERFORMANCE

The receiving antenna and rectifier are designed and
evaluated separately. Then, they are assembled in order
to complete the rectenna prototype which is fabricated
and measured, as shown in Fig. 17. A 50 Q adapter
(SMA male-to-male) is used to connect the antenna to
the rectifier since the antenna has copper metals on the
top only due to the coplanar waveguide feeding, but the
rectifier has top and bottom metal layers.

Fig. 17. Photograph of the fabricated rectenna.

The received RF power of antenna, Prr, is measured
by spectrum analyzer and the output voltage of rectenna
(Vou) is measured by a voltmeter. The power conversion
efficiency of rectenna nrr-pc is defined as the ratio of the
DC power Ppc and the RF power Pgg:

P, V2
Maepe = —25 X100% = Ly Yo 0006, (1)
I:>RF RF load
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The maximum measured conversion efficiency of
the rectenna reaches 26.53% at 2.45 GHz and 12.74% at
5 GHz for an input power level of 15 dBm, as illustrated
in Fig. 18. Table 2 shows the comparison between our
designed rectenna and other designs reported previously
in literature.

It can be seen that proposed design has advantages
in the antenna impedance bandwidth and reduced
dimensions compared to the circular polarized rectennas
[7]. Compared to [11], compact size is achieved in the
proposed rectenna. The proposed CP rectenna provides
acceptable conversion efficiency as shown in the table
and it is worth to note that the linear polarized rectenna
cannot achieve constant DC power even if the received
RF harvested signal has arbitrary polarization. This is a
critical limit in most situations [3].
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Fig. 18. Power conversion efficiency of the dual band
rectenna.

Table 2: Comparison of the proposed rectenna and the related designs reported previously

Ref Freq. Ant. Dimensions | Max. Gain | I/P Power Level for | Max. nrroc Polarization
' (GHz) (mm?3) (dBi) Peak nrr-pc (dBm) (%)
2.39—2.52
[3] and 44x41x1.6 5.53 10 45 Linear
5.65—5.85
0.908—0.922
[7] and 120x120x8.67 6.14 Oto5 39 Circular
2.35—2.5
[11] 0.88—8.45 100x100x1.6 8.7 -5t00 51.8 Linear
This 1.73—2.64 _
work and 54x54x1.6 5.51 5t0 10 354 Circular
4.83—5.19

V. CONCLUSION

This paper presented a dual band rectenna operating
at the two WLAN frequency bands 2.45 GHz and 5 GHz.
The receiving slot antenna is a dual band CP CPW feed
with only one feeding port. The antenna dimensions are
54 x 54 x 1.6 mm? with the metal deposited only on one
side of the substrate. The proposed antenna —10 dB
bandwidth extended from 1.73 GHz to 2.64 GHz for the
1%t band and from 4.83 GHz to 5.19 GHz for the 2™ band.
The ARBW (for AR < 3 dB) extended from 2.29 to 2.458
GHz (with bandwidth of 170 MHz), and from 4.88 to
5.95 GHz (with bandwidth of 1.07 GHz) for 1%t and 2"

bands, respectively. A dual band voltage doubler rectifier
has been designed based on a II-model impedance
transformer for dual band operation. The rectifier
dimensions are 64 x 28.8 x 0.8 mm?3. The prototypes of
the proposed antenna and rectifier were fabricated and
measured. Good agreement was found between measured
and simulated reflection coefficients. The proposed
rectenna is integrated. PCE is measured at different input
power levels. An efficiency of 26.53% and 12.74% are
achieved at 2.45 and 5 GHz frequencies, respectively.
The proposed rectenna has an advantage of obtaining
constant DC power at random polarization angles which
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makes it suitable for ambient RF energy harvesting
applications for powering wireless sensors in various 10T
applications.
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Abstract — This research proposes a novel low
temperature process for microwave dielectric ceramics
metallization with laser patterning and electroless copper
plating. The process temperature of the proposed process
is less than 50 °C, which is much lower than typical
metallization technology, such as Low Temperature Co-
fired Ceramics (LTCC) and Direct Bond Copper (DBC).
Compared with LTCC and DBC, the proposed low
temperature process can significantly reduce energy
consumption, cut cost for cooling equipment, and offer
smaller metal pattern variations. The measurement
results demonstrate the line width error and the line
position precision are all within £50 pum. Moreover, this
proposed process produces no short circuit or incomplete
metallization in the walls of the holes. The measurement
and simulation results demonstrate the manufactured
samples meet the bandpass filter design specifications.
Therefore, the proposed low temperature process is
practical and adequate for producing microwave dielectric
ceramics.

Index Terms — Ceramic laser metallization, laser
engraving, microwave dielectric ceramics.

I. INTRODUCTION

Microwave dielectric ceramics are the base material
of important elements like filters, oscillators, antennas,
and dielectric guides for mobile communications and
consumer electronics products [1-6]. With the advance
of mobile communications (4G, B4G and 5G), radio
LAN (local area network), and GPS technologies in
recent years, microwave elements based on microwave
dielectric ceramics are being used more extensively and
their demand has increased greatly. Therefore, the recent
research is paying greater attention to fabricating
microwave dielectric ceramics with less energy and
manpower.
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Conventional ceramic metallization technologies,
such as Low Temperature Co-fired Ceramic (LTCC) and
Direct Bonded Copper (DBC), are widely used nowadays.
LTCC can fabricate three-dimensional ceramic modules
with low dielectric loss and embedded silver electrodes
[1, 2, 5]. Figure 1 illustrates the flow chart of the LTCC
fabrication process. The ceramic tapes are blanked and
then punched to create via holes. The next step is the via
filling to form electrical interconnects between layers.
Afterwards, screen printing or a photo image is used
for metal patterning on each layer. The final steps
are layer lamination and co-firing bellow 950 °C [1,
2, 5]. The dielectric constant, dissipation factor, and
microwave resonance frequency of microwave
components fabricated by LTCC are strongly correlated
to the process temperature.

SIoIoIS
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/ FLPP
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Ceramic tape LR
. Via
Blanking g
punching
00,00
P’
00060
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8,000 > >
PP
000606
PP Laminating
and
Via Screen Co-firing
filling printing

Fig. 1. The flow chart of the LTCC fabrication process.
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DBC is the direct bonding process of copper and
ceramics. The advantages of a DBC substrate are that
copper metallization is relatively thick, and thermal
expansion of the substrate near the surface is close to that
of copper. Thus, copper and ceramic bonding strengths
are high [7]. The oxygen concentration influences the
bonding temperature of copper and substrate, such that
when the oxygen concentration is 1.4%, the bonding
temperature is a minimum 1065 °C [8].

For conventional ceramic metallization technologies,
such as LTCC and DBC, screen printing or a photo

image is utilized to generate the designated metal pattern.

A silver paste or a copper paste is then employed. The
whole ceramic substrate is sintered at a high temperature
of 800-950 °C for more than one hour. In order to remove
the polymer inside the silver paste or the copper paste,
the whole ceramic substrate must be sintered at high
temperatures for a long time to obtain good metal electrical
properties. The entire process needs high energy and
time consumption. Moreover, for the high-temperature
sintering process, the metal pattern dimensions and
position might show a deviation of 5-14% in error and
might produce the aforementioned silver paste sticking
or blockage, which causes short circuits or incomplete
metallization in via holes. This will directly cause a
resonant frequency offset of microwave dielectric
ceramics. Due to undesired process variations, people
need to inspect and calibrate individual devices one by
one after the fabrication process, which requires much
more time and labor to do.

A novel low temperature process for microwave
dielectric ceramics metallization with laser patterning
[9, 10] and electroless copper plating was therefore
proposed to overcome those problems caused by the
high temperature processes. This proposed process has
several advantages over conventional LTCC process:
lower energy consumption, less metal pattern dimension
deviation, and no short circuit or incomplete metallization
in via holes. The structure of the microwave dielectric
ceramic and the detail of fabrication process are described
and explained in the following sections.

I1. MICROWAVE DIELECTRIC CERAMICS

In the design stage, once specifications of the ceramic
filter are given and finalized, the HFSS software is used
for a preliminary simulation. The HFSS simulation setup
is shown in Fig. 2. Figure 2 (a) shows the overall
simulation set-up. Figure 2 (b) shows the details of the
metal pattern and cavities. After the simulation results
meet the filter specifications, the next step will be the
fabrication process.

The microwave dielectric ceramic shown in Fig. 2
functions as a bandpass filter [3, 4, 6]. The equivalent
circuit is shown in Fig. 3. The four resonant cavities in
Fig. 2 can be modeled as the four LC parallel resonance
circuits [3, 4, 6]. Here, Lyand Cyx {x=1, 2, 3, 4} are the

ACES JOURNAL, Vol. 34, No. 10, October 2019

equivalent circuit for the four resonant cavities, shown in
Fig. 3; Cj {i,j = 0~5} represent the coupling capacitors
between cavities and metal plates [3, 4, 6].

C enmu area  Input and output ports

Cylinder cavities Ground area
(b)

Fig. 2. HFSS simulation set-up.

cm

C (o9
i it
i i 1r
Port 1 Port 2
Z=50 LG LG Ly 2Z=50
ohm ohm

Fig. 3. Equivalent circuit of the filter.

From [11], the ABCD matrix of Cj; {i,j = 0~5} in Fig.
3 could be represented as equation (1), while the ABCD
matrix of Ly and Cx {x=1, 2, 3, 4} in Fig. 3 can be
represented as equation (2). The total ABCD matrix is
shown as equation (3) and can be transformed into the S
matrix to obtain the reflection coefficients (S11 and Sz2)
and transmission coefficients (Sz1 and Si2):

1
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The geometric model of the microwave dielectric
ceramic for the fabrication process is shown in Fig. 4,
which is drawn by SolidWorks. There are four cylinder
cavities for controlling the resonant frequency. The golden
color areas are the designated metal patterns. There are
two strip metal areas for the input and output ports. The
other metal areas are for ground areas. The white area is
the bare ceramic area. The overall dimension is about
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Fig. 4. The test structure of the microwave dielectric
ceramic.

I1l. PROPOSED FABRICATION PROCESS

The concept of the proposed low temperature process
for microwave dielectric ceramics metallization is shown
in Fig. 5. First, the ceramic substrate is trimmed to the
desired dimension. The resonant cavities are created
by punching. Second, the designated metal patterns are
formed by applying ceramic laser metallization technology
[9, 10]. By controlling the duration of electroless copper
plating, the desired metal thickness can be obtained.
Smart laser trimming [10] is utilized to trim the metal
thickness on the surface of cavities to optimize the
frequency response of the ceramic filter.

This research uses a perovskite-based ceramic as the
substrate and applies the chemical deposition to form the
metal patterns. Figure 6 shows the details of the ceramic
metallization process. The component CaTiOs is dissolved
out of the ceramic by using an oxidative etching solution;
e.g., phosphoric acid and HCI. Micro-pores are formed
on the surfaces of ceramic and cavities. After this step,
one can visually observe that the solution color is
relatively yellow, as shown in Fig. 7 (a). According to
the analysis of the dissolved etching solution, the
solution contains Ca/Ti, proving that the etching solution
roughens the surface. The ceramic is then kept in an
activator for 10 minutes, as shown in Fig. 7 (b). The
activator contains Sn and Pd ions, making the Sn and
Pd ions adhere to the ceramic surface. It is kept in the
cleaning agent for three minutes, as shown in Fig. 7 (c),
with the purpose of cleaning off the Sn particles and
leaving the Sn ions on the ceramic surface. Finally, the
ceramic is put in a chemical copper solution, as shown in
Fig. 7 (d). The chemical copper solution is heated with
a water barrier for 1 hour, the temperature is adjusted
between 40~50 °C, and the deposition rate is around 5~7
pm/hr.
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Fig. 5. Fabrication flow chart of the low temperature
process for microwave dielectric ceramics metallization.
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Fig. 6. The ceramic metallization process.

The laser engraving process is described here. First,
the 3D geometric shape of the ceramic is built in a
SolidWorks drawing software environment. The pattern
to be processed by laser is then drawn, as shown in
Fig. 2. The *.step file is exported to a computer, and the
ceramic height is adjusted to the laser processing height,
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which is provided with a fixture and ceramic 3D model the error of line width after the proposed fabrication
to make the computer correspond to the actual object. process. From Table 1, the line width errors are within
Next, the laser processing range is defined. Finally, 450 pm, which are small and consistent through the three
the appropriate laser parameters are adjusted, such as  samples. Table 2 presents the error of the line’s relative
wattage, frequency, speed, and times, so as to reduce the position. Once again, the error of the relative position of

difference between the geometric model size and the size lines between the design and a final product are within
of laser engraving. The image registration is executed to 50 pwm and consistent through three samples. According
remove the copper layer. to the comparison between the pattern and the laser

engraving formed size, the line width and the relative
position of the line are within +50 pum; as the screen plate
is heated and used many times after, the error could be
larger than 100 um [12].

Table 1: Line width errors between the original design
and a final product

Line Width|Samplel | Error | Sample2 | Error | Sample3 | Error
(pm) (pm) | (pm) | (um) | (pm) | (pm) | (um)
520 530 +10 533 +13 535 +15
310 324 +14 334 +24 335 +25
288.5 290 +1.5 297 +8.5 281 -7.5
260 281 +21 284 +24 281 +21
250 249 -1 246 -4 259 +9
180 195 +15 204 +24 191 +11
150 156 +6 139 -11 148 -2
120 121 +1 109 -11 114 -6

Table 2: The error of the relative position of lines between
design and a final product

Re_le_xtlve Samplel | Error | Sample2 | Error | Sample3 | Error
(d) Position of

Lines (um) (pm) | (pm) | (pm) | (um) | (pm) | (um)

Fig. 7. (a) Etching solution, (b) activator, (c) cleaning 1136 1111 | -25 | 1120 | -16 | 1129 | -7
fluid, and (d) chemically deposited copper solution. 810 791 | 19 | 793 | -7 | 793 | -17
750 719 | 31| 725 | -25 | 719 | 31

667 645 | 22 | 648 | -19 [ 638 [ -29

630 603 | 27 | 599 | -31 [ 604 [ -26

540 515 | 25 | 511 | -29 | 507 [ -33

460 426 | -3¢ | 432 | -28 | 441 | 19

Figures 9 and 10 show the |S11| and |Sz1| comparisons
among measurement data of the proposed process and
the LTCC with screen printing process along with HFSS
simulation results, respectively. As mentioned earlier,
this ceramic filter structure is symmetric, and so here
we only show the |Si11| and |S2:| data. According to the
comparison among the S-parameters of the proposed
process, the LTCC with screen printing process and the

Fig. 8. Photo of the finished product. HFSS simulation results, the three of them have similar
frequency bands and dB values. The measurement and

IV. EXPERIMENTAL RESULTS AND simulation results demonstrate that the fabricated
DISCUSSION ceramic filter meets the specification requirements.

The finished product after forming the chemically ~ Thus, the proposed low temperature process is practical
deposited copper and laser engraving is shown in Fig. 8.  and adequate for the microwave dielectric ceramics
The picture is taken under the microscope. Table 1 shows metallization applications.
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Fig. 9. |S11| comparisons among measurement data of
the proposed process and screen printing process and the
HFSS simulation results.
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Fig. 10. |Sz1| comparisons among measurement data of
the proposed process and screen printing process and the
HFSS simulation results.

Table 3: The comparison of process temperature during
metallization among three methods: DBC, LTCC, and
the proposed process

LIN, LIN, KAO, HUANG: LOW TEMPERATURE PROCESS FOR MICROWAVE DIELECTRIC CERAMICS METALLIZATION

the silver paste stuck problem. Table 4 shows that the
laser engraving has a smaller line width of 60 um than
the LTCC with screen printing process and the line width
error and relative position error are also within £+ 50 pm.

Table 4: The accuracy of proposed process and the
LTCC with screen printing process

LTCC with Screen | Proposed

Printing Process Process

Mi”mg[ﬂ line 100 pum 60 um
Lin:r:;:,dth +100 um +50 um
posiﬁgftcl)}/?ines =100 pm =50 pm

Proposed

LTCC[2] | DBCI7] | ‘g

Process | 9501000 °C | 1065°C | <50°C
temperature

Table 3 shows the proposed method has the lowest
process temperature among three methods. The entire
process temperature of the proposed method is below
50 °C, which means that energy is saved significantly.
Silver paste may stick to the screen due to re-use, and it
will cause an error between the design and final product
of more than 100 um. The proposed method, which
applies an electroless copper plating process, can avoid

V1. CONCLUSION

This research uses a perovskite-based ceramic to
metallize microwave dielectric ceramics through
chemically deposited copper. The temperature in the
overall manufacturing process of the chemically deposited
copper is below 50 °C. In comparison to other process
methods, e.g., LTCC and DBC manufacturing processes,
this technique can reduce the energy consumption
effectively and greatly cut the cost of cooling equipment.
In addition, the laser engraving forming technique can
control the line width and relative position of the line
more accurately. When screen printing is used repeatedly,
the stuck silver paste exhibits dimensional discrepancy,
leading to error signals. In addition, the metal may block
up or incompletely adhere to the silver paste sintering
pores; when each batch completed has to be checked,
the labor cost increases. This study presents that the
combination of chemically deposited copper and laser
engraving can avoid the aforementioned silver paste
sticking or blockage, and thus there is no short circuit
or incomplete metallization in via holes. It can also
effectively save energy and time when fabricating the
appropriate  microwave elements. The measurement
and simulation results demonstrate that the fabricated
ceramic filter meets the specification requirements.
Thus, the proposed low temperature process is practical
and adequate for the microwave dielectric ceramics
applications.
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Abstract — In this work, the identification of the residual
magnetic flux density of NdFeB permanent magnet,
used in a drum magnetic separator, is performed. This
identification problem has been formulated as an inverse
optimization problem and solved using the Particle Swarm
Optimization (PSO) method. For fast calculations, flux
densities are computed using a 3D analytical method and
the obtained results are compared with measurements.

Index Terms — 3D analytical solution, inverse problem,
magnetic separation, parameters identification, Particle
Swarm Optimization, permanent magnet.

I. INTRODUCTION

In magnetic separation applications, the efficiency
of the separation depends strongly upon the configuration
of the applied magnetic field [1-4]. To design a reliable
magnetic separator both the geometrical and magnetic
specifications of the field generator must be accurately
known.

The identification problem in physics devices is
largely treated. In [5] the authors presented a simultaneous
identification and control of adaptive torque of permanent
magnet synchronous machines. In [6] a multiple object
positioning and identification method based on the
magnetic tracking system was proposed for tracking of
minimally invasive medical devices inside human body,
such as wireless capsule endoscope. In electrical machine
domain, an inverse problem coupled with an analytical
model was used for the identification of demagnetization

Submitted On: February 6, 2019
Accepted On: May 12, 2019

faults in axial flux permanent magnet synchronous
machines [7]. Zhe et al. [8] proposed an identification
procedure for an Active Magnetic Bearing System
(AMBS), which makes it possible to estimate the
unknown parameters and to establish the model of
transfer function matrix of the AMB system.

The aim of this paper is the identification of the
three components of the residual magnetic flux density

B,(Byx, By, B,,) of an NdFeB permanent magnet
constituting a rectangular bar with size 1.2x1x10cm?®
used to realize a drum magnetic separator (see Fig. 1).
For that, an inverse optimization problem is formulated
and then solved where the objective function is the Mean
Squared Error (MSE) between measured and computed
values of the magnetic flux density in three different
locations in the permanent magnet.

In the field of electromagnetics, several optimization
methods have been used to solve different problems as
reported in [9-17]. In this paper, the Particle Swarm
Optimization (PSO) method has been used to solve the
defined problem and the Most Valuable Player Algorithm
(MVPA) is used for comparison purposes.

An experimental setup has been developed to
measure the magnetic flux density of the permanent
magnet. This last one has a parallelepiped shape and a
rigid magnetization, this allows to use a 3D (in Cartesian
coordinates) analytical integration method [18-19]. Such
a solution is more accurate and faster than numerical
ones which will make the optimization process faster.

1054-4887 © ACES
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Fig. 1. Experimental setup of the magnetic drum separator.

I1. GENERATED MAGNETIC FIELD AND
LOCATION OF MEASUREMENT FOR
OPTIMIZATION

To know the accurate configuration of the magnetic
field generated by the used permanent magnet,
measurements have been performed. For this, we have
realized and used the experimental test bench presented
in Fig. 2.

' Measurement supports

Fig. 2. Experimental setup for measuring the magnetic
field.

To define the number of measuring locations
required for the optimization process, we have measured
and analyzed the magnetic flux density on all the faces
of the permanent magnet. To show the nature of the
variations of the magnetic flux density on the magnet

surfaces, we present the variation of the measured
magnetic flux density along the length of two lines
situated in significant surfaces oriented in the ¥ and Z
directions (see Fig. 3). The line 2 is chosen near the
corner of the permanent magnet because along the
middle line of this surface the magnetic flux density (By)
is zero.

ceasnussssssnsnann s QEANEatY

<

Line 2

‘*”W%ﬂ//m‘f

Fig. 3. Lines where the variation of the magnetic flux
density is measured.

As shown in Fig. 4 (a), the magnetic flux density is
almost constant along the length of the considered line
of the significant surfaces of the permanent magnet
except at the borders. Using this result along with the fact
that each two opposite surfaces of the permanent magnet
have opposite magnetic polarities, measuring locations
for the optimization are reduced to only three locations
located at the center of the three surfaces (see Fig. 4 (b).
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Fig. 4. (a) Variation of the magnetic flux density along
the considered lines, and (b) the three measuring
locations for the optimization process.

I1l. PROBLEM FORMULATION

As aforesaid, the identification problem treated in
this paper has been formulated as an inverse optimization
problem where the design variables are the three
components of the residual magnetic flux density By, Bry
and By; of the permanent magnet bar and the objective
function is MSE between measured and computed values
at three different locations. The objective function can be
expressed as follows [20]:

13 2
F :Egl(Bmi -B,)". (1)

where B ; and B; are respectively the measured and
computed values at the locations i (i =1 2,3). In (1),
the computed values B are function of the three
researched parameters B = f(Brx, By, Brz).

To compute the quantities B;; we have used the 3D
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analytical solution given by [21-22]:

tg’%%) In(r-W)  In(r-v) rx

BX
{By]_li $ 3 (05| In(r-w) tg-l(WU) In(r-U) {BW
BZ

47 i0 j=ok=0 v

1

UV ) BI’Z

rw
(2)
The intermediary variables U, V and W are given by [21-
22]:

U=x-(-1)a,V=y-(-1)'b,W=z-(-1)"¢c

r=U 24V 24W 2 '

The steps followed to obtain expression (2) are
developed in the Appendix.

It is worth to mention that, the choice of three

locations to measure the magnetic flux density (the

perpendicular component at each face) has considerably

reduced the computational time for the optimization
process.

In(r-v) In(r-U) tg’l(

@)

IV. OPTIMIZATION METHOD AND
OBTAINED RESULTS
To minimize the objective function, the PSO
method has been applied [23]. It is a population-based
stochastic algorithm and one of the global optimization
methods, it simulates the migration and aggregation of
animals, such as birds, fishes and bees when they seek
for food. The basic form of the PSO algorithm is based
on the evolution or movement of a population (called a
swarm) of candidate solutions (called particles) in the
search space. Each one of these particles has its position,
velocity and a fitness value that is determined by an
optimization function. The optimization is performed in
terms of the objective function where each particle
knows its best position obtained individually so far and
is called the Personal Best (Ppest). In the same way, the
other particles know what is the best position obtained
collectively so far and is called the Global Best (Pgpest).
Each particle updates its velocity and position at each
iteration by using the mathematical models given by
[24].
Vi (t +1) =0V, (t) +cn (Ppb(est (t) =X (t)) +C,l, (Pgbest (t)— X (t))
(4)
xm(t+l):xm (t)+vm (t+1), (5)
where m is the particle number, v and x are the particle
velocity and position, respectively, c, is the cognitive
coefficient, c2 is the social coefficient, r is a random
values in the interval [0, 1] and @ is the inertia weight
who ensures that the particle swarm can search from the
whole search space in the early iterations and converge
in later iterations. The PSO method used in this paper is

implemented according to the pseudo code given in
Algorithm 1 [25].
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Algorithm 1: Pseudocode of the PSO method

1  Input: Problem Size; Population Size

2 Output: Pgpes:

3 Population < @

4 Pgbest <0

5 for i=1: population Size

6 Pyelocity < Random Velocity

7 Pyosition < Random Position

8 Ppbest < Pposition

9 if cost(Pppest) < cost(Pgpest)

10 l:)gbest « l:)pbest

11 end

12 end

13 while (Stop condition)

14 for each P € Population

15 Pyelocity <Update

VEIOCity(Pvelocityl Pgbest' l:’pbest)

16 Pyosition < Update
POSition(Ppositionﬂ Pvelocity)

17 if cost(Pyosition) < coSt(Pypest)

18 l:‘pbest « l:‘position

19 if cost(Pypest) < cost(Pypest)

20 l:'gbest « ppbest

21 end

22 end

23 end

24 end

25 returnPgpeg

In this paper, he PSO method has been programmed
using the commercial MATLAB software and run on a
computer with Intel(R) Xeon(R) CPU E5-1620 v2 @ 3.70
GHz Processor and 8.00 GO-RAM under professional
windows 7 environment. The stopping criterion was chosen

as & =1x10 % so that the iteration stopped when F <.
The tuning parameters used for the PSO algorithm are
listed in Table 1.

Table 1: PSO tuning parameters

Parameters Values
Population Size 40
Cognitive coefficient ¢, -0.6504
Social coefficient both c, 2.2073
Inertia weight @ -0.4349
Range of the researched [-1.3 1.3]
parameters

The optimal design variables found after 27 iterations
are displayed in Table 2.
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Table 2: Optimal values found after 27 iterations

Parameters Values
Bix(T) -2.27%x10°
Br/(T) 1.39x10°°
Br.(T) 1.1066

F 1.94x1010
t(s) 0.1989

The results of Table 2 show that the dominant
component of the residual flux density is By, which
signifies that the magnetization of the permanent magnet
is oriented in the z-axis direction. To verify the obtained
results, we have computed the magnetic flux density
along the lines of Fig. 3. The comparison between the
computed and measured values is presented in Fig. 5.

0.5 T T T T

B,[T]

0AL S SR B T ]
: : —& —Experimental results
—+— Computed results

o] L L
-0.05 -0.03 -0.01 0.01 0.03 0.05
Distance x [m]

0.18

B, [T]

0.02F e i i | —e —Experimental results ||
: —+— Computed resultas

1] 1 i
-0.05 -0.03 -0.01 0.01 0.03 0.05
Distance x [m]

(b)

Fig. 5. Variation of the magnetic flux density related to
the identified parameters. (a) Variation along the length of
the line 1, and (b) variation along the length of the line 2.




Figure 5 shows that the measured and computed
results are very close, which validates the reliability of
the developed computing codes and the obtained results.

For a global wverification of the achieved
optimization, we have compared the results obtained by
the PSO with those obtained by the Multi Valuable
Player Algorithm (MVPA) method.

The MVPA is a recently developed algorithm
inspired from sport [16]. It is a very competitive
algorithm compared with other optimization algorithms
as proved in [26] and [27]. The pseudo code of the
MVPA is given in Algorithm 2 and the main steps
are detailed bellow. Like other population-based
metaheuristics, the MVPA starts by generating a
population of players inside the search space following
a random distribution. These players are regrouped into
teams (line 3). Then the algorithm will iterate ‘MaxNFix’
times trying to evolve the population to find the optimal
solution. In each iteration, a loop on all teams selects a
first team called TEAMI. The players of this team
compete to determine to best player (Franchise Player)
of this team and the population is updated accordingly
(line 8). This first phase is called the ‘individual
competition phase’. In the second competition phases
called ‘team competition phase’, a second team called
TEAM]J is randomly selected among the leagues’ teams.
TEAMi and TEAM] play against each other to determine
the wining team. The population is updated according to
the outcome of this matchup (lines 9-13). Once the
competition phase is completed the players are checked
to see if there is any player outside the search space. In
such case, this player is brought back to the search space
(line 14). In order to improve the performance of the
MVPA three steps have to be performed which are
‘application of greediness’, ‘application of elitism’ and
‘remove duplicates’. In the first step, a player is updated
only if his new fitness is better than the old one. In the
second step, some of the worst players are replaced by
some of the best players. In the third step duplicate
players are removed and changed by new ones.

In the pseudocode of the MVPA, the inputs are the
function (ObjFunction), the number of design variables
(ProblmSize), the number of players which is equivalent
to the population size (PlayersSize), the number of teams
in the league (TeamsSize) and the maximum number of
fixtures which is equivalent to the maximum number of
iterations (MaxNfix). The output of the algorithm is the
leage’s MVP which is the best solution obtained.

To estimate the speed of convergence of the two
applied methods, Fig. 6 plots the evolution of the
objective function versus the number of iterations.

OUILL, MEHASNI, FELIACHI, ALLAG, ET AL.: IDENTIFICATION OF MAGNET PARAMETERS USED IN MAGNETIC SEPARATION

Algorithm 2: Pseudocode of the MVPA method

Inputs:  ObjFunction  (objective  function),
ProblemSize (dimension of the problem),

1 PlayersSize (number of players), TeamsSize
(number of teams) and MaxNFix (maximum
number of fixtures)

2 Output: MVP
3 Initialization
4 for fixture=1:MaxNFix
5 for i=1:TeamsSize

TEAM; =Select the team number i from
6 the league's teams

TEAM; = Randomly select another team j
! from the league's teams where j#i

TEAM; = TEAM; + rand
8 X (FranchisePlayer; — TEAM;)

42 X rand X (MVP — TEAM,)

9 if TEAM; wins against TEAM;

TEAM; = TEAM; + rand  x (TEAM; —
10 FranchisePlayerj)
11 else

TEAM; = TEAM; + rand
12 X (FranchisePlayerj - TEAMi)
13 end
14 Check if there are players outside

the search space

15 end

16 Application of greediness
17 Application of elitism

18 Remove duplicates

19 end for

A comparison between the results obtained by PSO
and those obtained by MVPA method is shown in Table 3.

Table 3: Optimal values of the researched parameters
obtained by the two methods

Parameters PSO MVPA
B (T) -2.27x10°% -1.07x10*
Br (T) 1.39x10° -1.34x10*
Br: (T) 1.1066 1.1069

F 1.94x1010 7.67x1010
t(s) 0.1989 0.2505
Iteration’s number 27 15
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Fig. 6. Evolutions of the objective function as a function
of computing iterations.

The comparison between the obtained results of
the Table 3 and Fig. 6 show that the two applied
optimization methods have given the same values of the
three researched parameters corresponding to the three
components of the residual magnetic flux density.

The obtained results show clearly that the MVPA
converges quickly but the PSO algorithm performs better
in terms of running time.

V. CONCLUSION

In this work, developed for a magnetic separation
study, a methodology for NdFeB permanent magnet
parameters identification based on the resolution of an
inverse problem has been presented. In such methodology,
the PSO method is combined with 3D analytical solution,
which has given a good accuracy and a low processing
cost. The results of the analytical solution have been
validated by comparison with measurements. For a
global verification of the achieved optimization, we have
compared the obtained results by the PSO with those
obtained by the Multi Valuable Player Algorithm
(MVPA) method. The comparison shows that the two
applied methods have given the same optimal results.
However, the PSO method presents better performances
in terms of running time.
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APPENDIX

Analytical calculation of magnetic flux density
created by a magnet

Based on the conventional equivalent magnetic
charge method, for parallel uniform magnetized magnet
in z direction, the magnetization effect can be represented

ACES JOURNAL, Vol. 34, No. 10, October 2019

by two parallel magnetic charge surfaces (Colombian
approach) on the sides of the permanent magnet which
their normal is collinear with the supposed magnetization
direction [28].

An assumed rigid and uniform magnetization can be
replaced by a distribution of magnetic poles. The density
of such poles distribution is defined by [29]:

GzM'nzﬂo'ﬁ' (6)

Let us consider the rectangular surface 2ax2b
having a uniform pole density o (Fig. 7).

*N(xyz2)

>

2a ' + + | y y+d) .V

b ,\-’lJ\ rbd\

2b

¥
X

Fig. 7. Geometrical illustration for the potential and the
magnetic field calculation.

The magnetic scalar potential V in a point N is given
by [21-22]:
_ 1 . M.ds
4z S|P
Depending on the residual magnetic flux density,
the expression (7) can be written as:

U]

1 B,.ds
T ®)
2=
In Cartesian coordinates system, (8) can be written
as:
B, 1 .
Ho —b —a\/(x X +H(y'—y) +2?
After two analytical integrations, we obtain:
_ By i+j | | _1{UV
Ve O( 1) ( UIn(r-V )V In(r-U )W tg ( )) (10)

(1) —v_(_1)] —
{U_x (-)'a,V=y-(-1)'b, W 2
r

=Juzyv2 w2

The magnetic field can be calculated by deriving the
scalar potential expression, which leads to:

el | =)
H = Ay i= OJ 0( l) n(r :K/) ' (12)
o )
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So, the magnetic flux density is given by:

In(r-V)
B> z z( 1)1 In(r-u) | (13)

47Z'| OJ 0
‘o e

For a cubical magnet in which the magnetization is
collinear with z direction, (see Fig. 8), the magnetic flux
density can be determined from the upper and the lower
charged surfaces.

N, v 2)
v

:/»I

Fig. 8. Magnetic field created by a cuboidal permanent
magnet.

In this case, comparing also to (equation 13), the
magnetic flux density will be:

s _ Br 111 i+j+k In(r_V)
B:Tzzz(l) In(r-U) | (14)
T i=0 j=0k=0
tg- [UV]

The intermediary variables become:
U=x-(-1)'a,V=y-(-1)'b,W =z-(-1) ¢
{r =JU 24V 24w 2
For a permanent magnet magnetization oriented
randomly in space, the global magnetization is the

superposition of the three components as shown in Fig.
9:

.(15)

M =M,i+M,j+Mk. (16)

$ iy
'</-'\| = + +
N

Fig. 9. Decomposition of a randomly oriented
magnetization in a permanent magnet [22].

Then, the computation of the total components of is
deduced as follows:

B=B,+B,+B,, (17)

According to the result given by z axis-oriented
magnetization (7 to 13), the total B resulting from the
inclined magnetization is given by a simple permutation
of analytic formulas for the two other directions of
magnetization (x axis and y axis). So, we can write:

Biytg™ [WL\J/]+B In(r-W)+By, In(r-Vv)

[ U)+Bnln r-U)|, (18)

Bry In(r-V )+Byy In(r-U )+Bytg _1(\/\5)

- 11
B= z kZ( 1)”J+k Bry In(r-W }+Bytg ™
j=0

OMH

A7 i=

In other manner, we can write the magnetic flux

density components as:
Brx
By [.(19)
BI’Z
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Abstract — Computer simulation of cardiac
electrophysiology is now considered a powerful tool for
exploring the causes of cardiac arrhythmias. Cardiac
electric propagation has been studied using the
monodomain model to describe wave propagation of
action potential in the heart. The governing nonlinear
reaction-diffusion partial differential equation is solved
with the semi-implicit (implicit-explicit) method that
does not have the stability limit of the explicit time-
stepping scheme. Both first order and second order
semi-implicit techniques for temporal discretization are
considered in this paper. Second order finite difference
technique is used to discretize the spatial derivatives.
An explicit finite difference scheme with 512x512
nodes and 0.1 ps time step is used as the benchmark for
error calculation. APPSPACK, a parallel pattern search
optimization software, is used to obtain the optimal
semi-implicit parameters that give the lowest root-mean-
square error. Results are presented for the semi-implicit
techniques with or without the operator split or protective
zone method. They demonstrate that the optimized
second order semi-implicit method gives the best overall
performance.

Index Term — Derivative-free optimization method,
monodomain model, operator split method, pattern
search algorithm, semi-implicit scheme.

I. INTRODUCTION

The complex bidomain model is arguably the most
comprehensive mathematical model for simulating
electrical activities in the heart [1]. According to this
model, the cardiac tissue is considered as two overlapping
continuous domains, representing the interstitial and
intracellular regions illustrated in Fig. 1. An electric
potential, known as the transmembrane potential or action
potential, is produced between these two domains when
an electrical stimulus is applied. With the propagation of
this action potential across the cardiac tissue, an electric
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field is generated at the surface of the human body,
giving rise to the electrogram. The bidomain model consists
of coupled nonlinear reaction-diffusion and elliptical
equations. Disregarding the interstitial region transforms
the bidomain model into a simplified monodomain model,
also known as the reaction-diffusion or cable model,
which involves a single nonlinear reaction-diffusion
equation [2]. The simplification of the bidomain model
leads to a significantly less intensive computational
solution, and recently Potse et al. showed that the
discrepancy in simulated action potential propagation
between the two models is negligible [3]. This confirms
the use of the monodomain model as a preliminary step
to develop new numerical techniques.

interstitial region

intracellular region

extracellular region

Fig. 1. lllustration of the intracellular, interstitial, and
extracellular region.

The cardiac monodomain equation consists of a
temporal derivative, a spatial Laplacian, and nonlinear
ionic current terms. The central finite difference technique
with second-order accuracy has been used to approximate
the Laplacian. The ionic current introduces nonlinearity
and is represented as a complex nonlinear function of
the action potential. The temporal derivative has been
commonly discretized with the explicit method [1],
though it has a stability constraint that seriously limits
the time step size. In this work, temporal discretization
is achieved with the semi-implicit or implicit-explicit
scheme, in which the implicit method is used for the
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spatial Laplacian but the explicit method is employed for
the ionic current. This mixed approach eliminates the
stability limit of the explicit method, while avoiding
the expensive solution of a nonlinear matrix equation
required in a fully implicit method. Both first and
second order semi-implicit techniques with one and
two discretization coefficients, respectively, have been
implemented.

A major objective of this study is to find the above
coefficients that give the best results, i.e., the lowest
root-mean-square (RMS) error potential. The pattern
search algorithm has been applied to find these optimal
parameters by using the asynchronous parallel pattern
search package, APPSPACK. APPSPACK uses derivative-
free optimization to minimize the objective function by
changing the design variables [4]. To our knowledge,
this is the first time a second order technique or
parameter optimization is considered in semi-implicit
finite difference modeling of cardiac propagation.

I11. CARDIAC MONODOMAIN MODEL
The monodomain model is a mathematical model
that describes the flow of electrical current in the heart.

The governing monodomain equation is given by:
Vi

= = é{% [V-(5, VWV, ) + Is] — Zhon}, (1)
where 1, is the action potential, i.e., the difference
between the intracellular and interstitial potentials, C,, is
the cell membrane capacitance per unit area, f3 is the
membrane area per unit volume, and &, denotes the
intracellular conductivity tensor. Z; is the intracellular
source current that initiates the activation, and X/ion
represents the total ionic current through the membrane.

In this study, the ionic current Z /i is obtained as the
sum of six different types of ionic currents using the Luo-
Rudy model [5]. The Luo-Rudy model is a comprehensive
ionic current model that is capable of reproducing
electrocardiograms similar to those recorded from
patients.

1. SEMI-IMPLICIT MONODOMAIN
FORMULATION

Both the first and second order semi-implicit methods
have been derived from the formulation proposed by
Ascher et al. [6] for partial differential equations. The
update equation for the first order semi-implicit temporal
discretization is given by:
- 25PN =

(4] *

DoVt + At[ I3 ~ =TT, (2)

— (1-8)At
rn o+
m CmB

b
where [I] is the identity matrix, 0 < 6 < 1 is the
discretization coefficient, At is the time step size, n is
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the time step index, the bar designates a vector containing
all the nodal values of the corresponding quantity, and
[D, 1V, represents the finite difference approximation of
the Laplacian. Equation (2) represents a matrix equation,
which is solved with the Jacobi preconditioned conjugate
gradient iterative technique.

The second order semi-implicit discretization of the

monodomain equation can be derived as:
Lo MOED
K9+§)U]— _YZE_{DJ}%%“_

—_—

[A]
205 = (0 —3) Tt + 25 [(1 = 0 = QD72+ DIV +

[+ 0T, - 0FT] + 25 I

@)

~—

b
where 6 and ¢ are second order semi-implicit temporal
discretization coefficients.

A. Pattern search algorithm

The pattern search algorithm [4] is used to implement
the optimization of the temporal coefficients in (2) and
(3). The algorithm is based on the univariate or cyclic
coordinate descent method, which uses the design
variables, 8 and c¢ in the present case, as coordinate
directions [7]. The search direction is computed by
cycling through the n design variables, yielding n
iterations for each direction search cycle. As the
monodomain equation involves the nonlinear ionic
current, the pattern search produces a zigzag pattern as it
approaches the solution. To alleviate the zigzag path’s
effect, the pattern search algorithm has been set to use
n + 1 iterations for each direction search cycle. This
minor modification assembles a linear combination of
the previous n search directions and the optimum value
of the step size for that direction in the additional
iteration step.

An asynchronous parallel pattern search package,
APPSPACK, is used to implement the pattern search
algorithm and obtain the optimum semi-implicit
coefficients [8]. Developed at Sandia National
Laboratories, APPSPACK minimizes an objective
function with an unconstrained or bound-constrained
input;

ZyL:l(VTﬁM_ Vyﬁalculated)z

min £G) = | L @

lsxsu
In the above equation, the bound of x is an n-
dimensional vector, where [ and u are its lower and
upper bound. The objective function is obtained as the
RMS difference between the simulated action potential,
ycalculated - and the benchmark solution, V2. The
bounded constraints of the design variables are set to be
0<6<1and0<c<1.Theoptimum solution is obtained
with an asynchronous parallel set search that satisfies the
bounded constraints by choosing appropriate search
directions.
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B. Operator split and protective zone method

In the operator split method, the update of unknown
V. is divided into multiple steps and the time derivative
is considered as the sum of several components [9]. For
the semi-implicit operator split method, the update of the
Laplacian and ionic current terms are performed in
alternate steps with different time steps sizes At and At;,
respectively. As the ionic current involves nonlinearity
and relatively fast temporal variation, it is updated with
smaller time steps, i.e., Asi < At. In the protective zone
method, the ionic current in the operator split scheme is
updated with smaller time steps only when the action
potential has the fastest rate of change. The operator split
as well as the protective zone method was found to
improve computational efficiency [10].

IV. RESULTS AND DISCUSSION

The dimensions of the cardiac tissue are 0.5 cmin x
(horizontal) direction, and 0.1667 cm in y (vertical)
direction and the anisotropic tissue conductivities are
0.174 and 0.0193 S/m in x and y directions, respectively.
A point stimulation current pulse located at the left
bottom corner of the tissue and constant in time, with
duration of 1 ms, is used to excite a propagating action
potential. The three different grid sizes considered are
36, 72 and 144 nodes in each direction, and a period of
12 ms is simulated. The optimization iteration stops
when the variation in RMS error between the calculated
and benchmark solution is less than 0.001.

A. Methods without operator split or protective zone

The optimal @ and ¢ values (6ot and Copr) have been
obtained for the three different grid sizes and At = 0.05
ms and 0.01 ms for the first and second order semi-
implicit method. Note that for the first order method, 6=
0 and 0.5 correspond to the explicit and Crank-Nicolson
method, respectively. As shown in Table 1, for the first
order method, Gqp: Varies from approximately 0 to 1. For
the second order method, copt iS approximately zero for
all the cases, but @qp varies from 0.0820 to 0.443. The
RMS error decreases by 1.76-4.18 times when At is
varied from 0.05 to 0.01 ms, depending on the order and
grid size. As expected, the error decreases when the grid
size is increased, e.g., for At =0.01 ms, it decreases by a
factor of 2.21 and 3.02 for the first and second order
method, respectively, when the grid size is changed from
36% to 1442%. Compared to the first order method, the
second order method reduces the error by 14.2-35.7%.
The use of optimized parameters also allows us to achieve
accuracies higher than those obtained with the common
numerical schemes, with little impact on the solution
time. For example, with a 1442 grid and At = 0.01 ms, the
error for the optimized first order method is 16.4% and
19.1% lower than that for the explicit and Crank-Nicolson
method, respectively.
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Table 1: RMS error and optimum coefficients for first
and second order method without operator split or
protective zone

Grid Size, At | First Order Second Order
362, 0.05 ms ;i;lzfgggé 216 ;;ipi%).pa;o%zm
722,0.05 ms Zezofzml\llogt 176 rg\/C it foglgoo.BBS
144,005m0 | 7100 | el o0
wasine | BORL [y 0
722,0.01 ms 6;;3:26% zaéo 5.43(’& rrxta:t gf)go:l (())(.)210
v 00ums| oo | el oboun

B. Methods with operator split

The operator split scheme has been implemented
such that Ag for ionic current is five times smaller
than At for the Laplacian term. Table 2 demonstrates
the RMS error and optimum & and ¢ values for operator
split method with different grid sizes and time steps.
The operator split improves the accuracy significantly,
reducing the error by 5.91-11.3 times. However, the
solution time also increases by a factor of 5.79-8.38. For
the first order method, @t varies from 0.00 to 0.583. For
the second order method, 6oy Varies from 0.287 to 0.500
while cop is still nearly zero. Except for the 362 grid with
the larger At = 0.05 ms, fopt and cope Values are close to
those for the Crank-Nicolson Adams-Bashforth method
(0=0.5, ¢ =0). When At is varied from 0.05 to 0.01 ms,
the error reduces by a factor of 2.05-5.05. At the same
time, the error reduces by an average of 6.99% when
second order instead of first order method is used. It
should be noted that increasing the grid size or decreasing
the time step, while reducing the error, also increases the
solution time correspondingly. Changing from first order
to second order method, however, has a negligible effect
on the solution time. Furthermore, the use of optimized
coefficients can again lead to error minimization, e.g.,
for a 362 grid and At = 0.05 ms, the error for the optimized
second order method is 20.6% lower than that for the
Crank-Nicolson Adams-Bashforth technique.

C. Protective zone method
In the protective zone method, the ionic current is

updated with a smaller time step if |66L;"| > 0. While this

only causes an insignificant increase in the error, it reduces
the solution time of the operator split approach by a factor
of 2.23-2.57. According to Table 3, the effects of the
different parameters with protective zone method follow
the same trend seen previously in results obtained without
the protective zone scheme.
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Table 2: RMS error and optimum coefficients for first
and second order method with operator split

Grid Size, At | First Order Second Order
o | 22 P
722,0.05 ms 2;8 mo\z a 2.83 g;ﬁp?t 08%7—5% 460
1442, 0.05 ms 2022:”‘0% az 87£‘¥p?t 05%60% 461
wanm | ey | o
722 0.01 ms 09 2150 ?;/Z%t 0.602 n::\ofﬁat 30868 E? 500
1442,0.01 ms %fp??' g‘;’lfét 0-65?2{;; ?856 0500

Table 3: RMS error and optimum coefficients for first
and second order method with protective zone

Grid Size, At | First Order Second Order

55,008 | J2TYaL | 350V Ll <059
o | LG [P
s 0ogms|| 2L | 25T VL =019
36%, 0.0 ms ai,fs 312)/4?0 +o g\clo,it goomzug o
72,00t ms | SO TN A [0 05
Tt el e

V. CONCLUSION

Optimization of the temporal discretization
coefficients for semi-implicit finite difference modeling
of cardiac propagation has been implemented with a
pattern search algorithm. The proposed second order
semi-implicit technique provides higher computational
efficiency than the first order method used in previous
studies. The operator split and protective zone schemes
developed for the first order method also work for the
second order method, which allows an effective tradeoff
between accuracy and solution time. Moreover, the
optimized coefficients result in error minimization with
negligible effect on the solution time. The optimized ¢
coefficient is close to zero for all the cases, while the
other optimal coefficients show varying degrees of
dependence on grid size and time step. The computational
cost in finding these optimized coefficients can be
amortized over the repeated simulations in physiological
studies that use the same coefficients. Future research
may involve the extension of the current study to higher
order semi-implicit schemes and three-dimensional
realistic cardiac geometries.
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