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Extrema of Two-Port Network Transducer Power Gain and Voltage Gain
Under Varying Port Terminations: Semi-Analytical Method and Application
to Biotelemetry System

Toni Bjérninen

BioMediTech Institute and Faculty of Biomedical Sciences and Engineering
Tampere University of Technology, Tampere, 33101, Finland
toni.bjorninen@tut.fi

Abstract — Analysis of the structure of the level sets of
transducer power gain and voltage gain of a two-port
network enables a semi-analytical method for finding
the extrema these performance indicators as the port
terminations vary in bounded rectangles in the complex
plane. In particular, we show that the extrema are
necessarily attained in small-dimensional subsets of the
given rectangles. This provides efficient means to assess
the impact of variability in the port terminations
numerically. As an example, we study how variability
in the port terminations affects the performance of a
biotelemetry system composed of magnetically coupled
small loops with highly sensitive impedance matching
properties.

Index Terms — Sensitivity analysis, tolerance analysis,
transducer power gain, two-port networks, voltage gain.

I. INTRODUCTION

Fundamental optimisation approaches aim at
maximising the performance of electromagnetic systems
in their nominal operating conditions. In two-port
microwave networks, which are the focus in this work,
a typical goal is the bi-conjugate impedance matching
that maximises the power transfer efficiency from the
source to the load. This is a relevant goal in virtually
all applications, including the recently emerged radio-
frequency systems, which operate on harvested energy
[1-4]. In such systems, however, also a certain voltage
threshold must be exceeded to activate semiconductor
devices. This makes the voltage gain another important
parameter. A feature shared by both gain parameters in
two-port systems is that they are non-linear functions
of the complex impedances terminating the ports.
Consequently, it is problematic to conclude how variability
in the port terminations affect these fundamental
performance indicators. In the related previous work,
sensitivity of specific two-port networks was characterised
through derivative-based approaches [5-6]. In article
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[7], the authors presented analysis of constant mismatch
circles to establish optimum trade-off between input
and output mismatch for transistor amplifier design. The
authors of [8] investigated the stability of two-port
network with terminations varying in elliptic regions in
the complex plane. In [4], the minimum of the voltage
gain was computed numerically in a special case where
the load impedance varied in a disk defined by a given
lower bound of the transducer power gain.

In our earlier work [9], we showed that as the port
terminations of a two-port network vary in bounded
rectangles in the complex plane, the minimisers of the
transducer power gain and voltage gain are located
necessarily in small-dimensional subsets of the rectangles.
In this work, we first summarise the relevant analytical
considerations regarding the structure of the level sets of
the gain parameters from [9] and then show how this
enables identifying the subsets that necessarily contain
the maximisers of the gain parameters. This way, we
achieve the complete sensitivity analysis of two-port
networks. The presented method does not involve
differentiation, but is fully based on the analysis of the
structure of the level sets of the gain parameters. It
provides an efficient computation of the extrema of the
gain parameters by restricting the search of both the
minimum and maximum in small-dimensional subsets of
the given tolerance rectangles. As an example, we apply
the method in the analysis of a highly sensitivity
biotelemetry system composed of magnetically coupled
small loops.

I1. LEVEL SETS PF TRANSDUCER POWER
GAIN AND VOLTAGE GAIN

Transducer power gain (Gy) of a two-port network is
the ratio of the power delivered to the load (Z =R +jX\)
connected to Port 2 of the system to the power available
from a Thévenin voltage source with internal impedance
of Zs=Rs+jXs connected to Port 1. It is given by [10, Ch.
2]:

1054-4887 © ACES
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4R R,_|221|

|(Z +211)(Z +Zzz) 212221|2,

where zm, (Mm=1,2; n=1,2) are the two-port Z-parameters.
In this work, only passive port terminations and
unconditionally stable systems are considered. In this
case we have [10, Ch. 2]:

0<Rgand 0<R,
0 < Re(z,,) and 0 < Re(z,,), )
|212221| <2 Re(le) Re(zzz)_ Re(212221)'

which implies that the input and output impedances
given by:

)

t=

ZlZ Z21

Z12221 (3)

Z =12, — ,
i 11 le+zs

7. and Z, =1z,,
respectively, have positive real parts.
The voltage gain (A)) of a two-port system is given
by is the ratio of the load (connected to Port 2) voltage
amplitude to the amplitude of a Thévenin voltage source
with internal impedance of Zs=Rs+jXs connected to Port

1. Basic circuit analysis utilising the Z-parameters yield:

z,,Z |
A = an . (4)
|(Zs + 211)(Z|_ + 222)_ Z12221|

A. Level sets of transducer power gain
For further analysis, it is useful to restate Equation
(1) as:

_ 2ARg _ 2RL|221|2
1z, +Z [ 12, + 2, -
__2AR _ 2Rs|221|2
2! 2"
|z, +Z,] |Zs +2,]

Next, we suppose that Zs and Z-parameters are fixed and
study the condition o < G¢(Z.), where « > 0. In this case,
(5) implies:

2.2, +(z; —%)ZL +(z0 —%)z[ +[z,[ <0, (6)

which defines a complex plane disk D,z with the centre
point (C,.) and radius (ra.) given by:

C.. [z _As J =5—
and 1, =[C.|"-|Z,/" / ——2R

Hence, for any Zs, the load plane Ievel set deflned by
a=GyZy) isacircle and a < Gy(Z.) holds true in the disk
D.. bound by this circle. Analogously we find that for
any Zy, the source plane level set defined by a = Gi(Zs)
is a circle with the centre point (C,s) and radius (ras)
given by:

C,s =ﬂ—Zi and r, = ﬂ(ﬂ

(24 (24 (24

—zaj, (®)
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and that o < G(Zs) holds true in a disk D,s bound by this
circle.

By setting the radius to zero in Equations (7)—(8),
we find the level sets of Gi(Z.) and Gi(Zs) defined by
0=As/(2Ro) and a=A/(2R;) to be singletons {C..}={Z;}
and {C.s}={Z;}, respectively. These special cases
correspond to complex-conjugate match at the output and
input of the system, respectively, and for a larger «, the
level sets are empty. Thus, in the standard terminology
of two-port systems, As/(2Ro) = Ga and AL/(2Ri) = Gy,
where G, and Gp are the available power gain and
operating power gain, respectively [10, Ch. 2]. Moreover,
(7)—(8) show that the imaginary parts of C,, and Cgs
are independent of a, whereas their real parts grow
monotonically towards infinity as o reduces. At the same
time the radii r,; and r,s also tend monotonically towards
infinity, but due to the level set property, for any az < a1
we have D,s; € Dqs2 and D,z; © Do Figure 1 shows an
illustration of the level sets of G in the source plane.

n

Fig. 1. lllustration of the level sets of G in the load plane
with a1 > a2 > a3 [9]

B. Level sets of voltage gain
First, we note that it is useful to restate Equation (4)
as:

PR\ B2 N ©)

1z, +z,[  |Zs+ zll|
Next, we suppose that Z, and the Z-parameters are fixed
and study the condition a<A\(Zs). Inthis case, (9) implies:

|Z _ aS| ZnZ,
Z +2,
which defines a disk D,s with the centre point and radius
of C.s and r,s, respectively. Hence, the level sets defined
by a=Av(Zs) are circles and a<Ay(Zs) holds true in Dys.
We suppose next that Zs and the Z-parameters are
fixed and study the condition a<A(Z.). Now, (10) implies:

=rs, Cu=-2, (10




* 2
. Z Z, .. |Z,]" [<0, P>,
szL+—°zL+—°zL+‘ | { (11)
P

P P |20, P<O,
where P = 1-A%/o?. For o>A, (11) defines a complex
plane disk D, with the centre (C,.) and radius (r..) given
by:

‘ZO‘Z A Zo
P alP|

For a<A, (11) defines the complex plane excluding Dy;.
Finally, in case a=A, (11) defines a region comprised of
the complex plane on and below the line:

2
&y_ﬂ } (13)
R,’ 2R,

0

C. =_—§° andr, =4C.|° (12)

L, ={x+jy:x=—

Figure 3 in Section IV illustrates of the level sets of A, in
the load plane. Finally, the limit processes for the level
sets of A, are summarised as follows:
ro—>oand C,=-Z
a—>0=4% » '
r,>0and C, =0
r, >ow
aTA=1:C, >0t jo
D_, — Complex plane above L
foL > >
ad A=1C, — -0t jo

D,, — Complex plane below L,

rs >0 and C4 —> -7,
a—> 0=
r,>0and C, ->-Z,

I1l. EXTREMA OF TRANSDUCER POWER
GAIN

In this and the next section, we assume that the
port terminations vary in a closed and bounded hyper-
rectangle U = Us x U where Us and U, are rectangles in
the complex plane given by:
{x+jy:0<xSl SXSXSZ,}

ySl < y < ySZ
U {x+jy:0<xLl stxu}
" Yu<Y<yy,

Below, we will detail how the knowledge of the
structure of the level sets of G; and A, enables the
identification of small-dimensional subsets of U where
the studied gain parameters necessarily attain their
extreme values. To aid the further analysis, we denote
the sets of corner and boundary points of Us and U, by
Vs and Vi, and Bs and By, respectively.

Since Gy and A, are continuous real-valued functions
which can also be interpreted as functions of four real
variables in a closed and bounded set defined by the
intervals of the real and imaginary parts in Equation (15),

S

(15)

BJORNINEN: EXTREMA OF TWO-PORT NETWORK TRANSDUCER POWER GAIN AND VOLTAGE GAIN

Extreme Value Theorem guarantees that they attain their
extreme values in U [11, Ch. 12.5].

B. Minimum of transducer power gain

The level sets of G are circles in both the source and
load planes. We focus first on the source plane, where
0<G(Zs) holds true in a disk D,s which is bound by the
level set circle. Hence, to bound G(Zs) from below in Us,
we must find the smallest a for which Us is entirely
contained in D,s. Since Us is a rectangle, such a defines
a level set circle that passes through a corner of Us.
Hence, for all Zs in Us we have Gi(Zs)>Gi(Zso), Where
Zso€Vs. With a similar reasoning, for all Z, in U, we
have Gi(Z.)>Gi(Zo), where Zo€V.. Consequently, for
all (Zs,20) in U: G{(Zs,Z1)>Gy(Zs0,20)>G(Zs0,Z10). Because
this lower bound of G; over the whole closed and
bounded set U is its value evaluated at (Zso,ZL0)€U, then
by the Extreme Value Theorem, this point must be the
minimiser of G¢in U.

C. Maximum of transducer power gain

For an unconditionally stable two-port, the unique
bi-conjugate-matched source and load terminations Znys
and Zn., respectively, maximise the transducer power
gain and the maximum can be computed with the well-
known formula [10, Ch. 2]. Clearly, if (Zms,Zm.)€U, this
point is the maximiser of G; in U. Therefore, below we
will assume that (Zms,Zm.)€¢U. For further analysis, we
denote the images of U. and Us under the complex
conjugate map of the input and output impedances as
Z;[U,]and Z;[Us], respectively, and make the following
definitions: X5 = Us N Z{[U,] and 2, = U, N Z;[Us].

If X5 and X, are both empty, then for an increasing
level sets values, the level set circles of G; must converge
towards points outside of Us and U,,, because neither the
input or output can be conjugate-matched. Hence, to
bound Gi(Zs,Zs) from above in Us, we must find the
largest level set value o for which D, intersects Us at a
single point only. Such o defines a level set circle that
passes through a point in the boundary of Us. Hence, for
all Z_ in U, we have Gt(Zs,ZL)SGt(Zso,ZL), where ZsoEBs.
With an identical argument, for any ZseUs, we have
Gi(Zs,20)<Gt(Zs,Z10), where Z0€B.. Consequently, for
all (Zs,ZL) inU: Gt(Zs,ZL)SGt(Zso,ZL)SGt(Zso,Z|_o). Because
this upper bound of G over the whole closed and bounded
set U is its value evaluated at (Zso,Z0)€U, by the
Extreme Value Theorem, this point must be the maximiser
of Gt inU.

If either X5 or X, or both are non-empty, the
maximiser of G; may be located in the interior of U. To
aid the analysis in these cases, we first study the
algebraic properties of the map Z; defined as the
complex conjugate of the input impedance. Firstly, Z; is
clearly continuous in U since Re(z22) and R, are both
positive (Equation 2) and thus z,,+Z,#0 in Equation (3).
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Moreover, it is elementary to show that Z; is injective
and thus bijective from its domain to its image. Finally,
Equation (3) can be readily solved for Z_ to see that
the inverse map Z;~! exists and is continuous. These
properties make Z; a homeomorphism from U to its
image. This class of functions map interior and boundary
points of their domain to the respective points of the
image. Moreover, simply-connectedness is a property
that is preserved under a homeomorphic map. Therefore,
as the closed and bounded rectangle Uy is clearly simply-
connected, so must be the set Z;[U, ].

With analogous arguments as for the map Z;, we
find that Z;~* is a homeomorphism from s to its image
Z;71[2s] and thus this set must be simply-connected and
its boundary given by Z;~1[8Z], where 0% denotes the
boundary of Xs. Since Z; and Z;, have identical structure,
all of the above conclusions are true for Z, and its inverse
as well. Finally, we note that since we have assumed that
the bi-conjugate-matched source and load impedances of
the two-port system are not located in U, we must have
IonZy sl =0and X, NnZ7 2] = @.

Next, we suppose Xs is non-empty. This implies that

there exists Z,, € Z; 7 [Zg]suchthat Z; (Z,,) = Zg; € Zs.

In general, Gy(Zs,Z.) < Gp(ZL), where Gy is the operating
power gain of the two-port network attained when the
input is conjugate-matched. Because the input is
conjugate-matched at the point (Zs1,Z11), Gt attains its
upper bound Gy(Z.) w.r.t. the source impedance at this
point. However, since X, N Z;~1[Z] = @, the level sets
of Gt in the load plane converge towards a point outside
of Z;7'[Zs]. Hence, to bound G; from above in
Zs X Z;71[Xs], we must find the largest o for which D,
intersects Z; ~[Z] at a single point only. Such « defines
alevel set circle that passes through a point in the boundary
of Z;71[X,]. Thus, for all (Zs,Z,) € 5g X Z; [ 2], we
have Gi(Zs,Z\) < G(Zs1,Z11), where Z;, € Z;*[0Z,] and
Zsy =Z{(Z11).

In case X is non-empty, then by identical arguments
as above, we have Gy(Zs,Z1.) < Ga(Zs), where G, is the
available power gain of the two-port network attained
when the output is conjugate-matched and we conclude
that for all (Z5,Z,) € Z;7'[2,] X X, we have Gy(Zs,Z.) <
Gi(Zs2,212), where Zg, € Z;‘l[GZL], Zip, =Z3(Zsy).

Finally, since 25 X Z; "' [¥¢] and X, x Z;~1[X,] are
proper subsets of U, the upper bound of G; in the whole
U may be larger than max{Gi(Zs1,211), Gi(Zs2,Z.2)}-
However, for a level set value o that is strictly greater
than this value, the level sets of G; are either empty, if
(Zs1,Z11) or (Zs2,Z12) happens to be the maximiser of G;
in U, or converge towards points outside of Ug and Uj,.
This is because, in all cases where level sets convergence
towards a point inside Us or Uy, Gt is upper bounded by
max{G«(Zs1,Z11), Gi(Zs2,Z12)} < a as shown above. Thus,
for all (Zs,Z.) in U, we have G«(Zs,Z1) < max{G(Zs0,Zv0),
Gt(ZSLZLl), Gt(ZSZ,ZLz)}, where (ZSO,ZLO) € BSXBL.

ACES JOURNAL, Vol. 33, No. 6, June 2018

Based on these findings, we conclude that the
maximiser of G; in U is necessarily located in a small-
dimensional subset of U as summarised below. Figure 2
illustrates the search of the maximiser of Gt in U in case
(d) of the below list.

@ If (Zms,Zmo) € U, the maximum of G;in U is Gi(Zms,ZmL).

(b) If s = @ and X = @, the maximiser of G;in U is a
point (Zso,ZLo) € BsxB,.

(c) If X5 # @ and X, = @, the maximiser of G¢ in U is
(Zs0,Z10) or a point (Zs1,Z11), Where Z,, € Z;~1[05]
and Zg; = Z; (Z4).

(d) If X = @ and X, # @, the maximiser of G¢ in U is
(Zs0,Z10) or a point (Zs2,Z12), where Zs, € Z:7 1[92, ]
and Z,, = Z;(Zs,).

(e) If X # @ and X # @, the maximiser of G; in U is
(Zs0,Z10), (Zs1,Z11) OF (Zs2,Z12).

Z*(Zsz) =Z, Z; [US ]

0

Source plane : Load plane
|
Cr:ticalI :
[
. |
[
[
. s2
2\ | 4R
|
|
|
[
[

Fig. 2. lllustration of the search of maximiser of G; in U
in the case X = @ and X, # @. The figure has been drawn
supposing the maximiser is (Zs2,Z12).

IV. EXTREMA OF VOLTAGE GAIN

A. Minimum of voltage gain

In the source plane, the level sets defined by
a=A\(Zs) are circles given in Equation (9) and a<A.(Zs)
holds true in a disk D,s which is bound by the level set
circle. Hence, to bound Ay(Zs) from below in Us, we must
find the smallest o for which Us is contained in Dys.
Since Us is a rectangle, such « defines a level set circle
which passes through a corner of Us. As seen from
Equation (9), the centre point of the level set circle has a
negative real part and the circle radius is inversely
proportional to a. Therefore, since every point in Us has
a positive real part, the set of possible corners of
intersection are limited to those with larger real parts. We
denote these corners as Vs+={xs2+jys1, Xs2+jysz2}. Hence,
for all Zs in Us we have Ay(Zs)>Av(Zso), where ZsoE€Vss.

To bound Ay(Z,) from below in Uy, we first suppose
that the minimum of Ay(Z.) in V_ is attained at a point



Zi1. If Al(Zu1)>A, then the level set circle that passes
through Z.1 must be the boundary of a disk D,. where
Av(ZL)>A(Z11). Given that Z,1 is a corner point of U and
minimises Ay(Z.) in VL, then the remaining corners of U.
must be contained in D,.. Since U is a rectangle, this
implies that U. must be entirely contained D.;. Thus,
Av(Z)>A(Z11) for all Z in Uy.

If Al(ZL1)<A, there may be more points in U for
which Ay is smaller than A,(Z.1). For any such point
Zi2, A(ZL)>A(Z12) holds true outside of D, with the
corresponding level set circle passing through Z;». Thus,
to bound Ay(Z.) from below in U, we must find the
smallest a such that D, intersects U, at a single point
only. Based on the limit processes summarised in
Equation (14), as o reduces from A towards 0, then
Cu—0 and r,;,—0. However, by the definition of UL
given in Equation (15), 0¢U.. Thus, the intersection
point must be found in By.

By combining the results from the above discussion,
since V.cBy, for all (Zs,ZL) in U we have Ay(Zs,Z.) >
Av(Zso,ZL) > Av(Zso,ZLo), where (Zso,ZLo)EVs+XB|_. Because
this lower bound of A, over the whole closed and bounded
set U is its value evaluated at (Zso,ZL0)€U, then by the
Extreme Value Theorem, this point must be the minimiser
of Ay in U. Figure 3 illustrates the search of the minimiser
of Ay in U..

B. Maximum of voltage gain

In the source plane, the level sets defined by

o=Ay(Zs) are circles given in Equation (9) and a<A(Zs)
holds true in a disk D,s which is bound by the level set
circle. Hence, to bound Ay(Zs) from above in Us, we must
find the largest o for which D,s intersects Us only at
a single point. Since Us is a rectangle, such « defines
a level set circle that passes through a point at the
boundary of Us. As seen from Equation (9), the centre
point of the level set circle has a negative real part and
the circle radius is inversely proportional to «. Therefore,
since every point in Us has a positive real part, the
intersection point must lie on the vertical edge of Us with
the smaller real part. We denote this set as Bs-={x+jy:
X=Xs1, Ys1<y<yso}. Hence, for all Zs in Us we have
Av(Zs)SAv(Zso), where Zso€Bs-.
To bound Ay(Z.) from above in U, we first suppose that
the maximum of A,(Z.) in V. is attained at a point Z4. If
Av(ZL1)<A, the level set circle passing through Z.1
defines a disk D, where Ay(ZL)<Av(Z11). Given that Z;;
is a corner point of U_ and maximises A,(Z.) in Vi, the
remaining corners must be contained in D,;. Since UL is
arectangle, this implies that U, must be entirely contained
in Dz Thus, Ay(ZL)<A(Zvy) for all Z_ in U..

If Al(ZL1)>A, there may be more points in U for
which Ay is greater than Ay(Z.1). For any such point Z,»,
Av(Z)<A\(Z12) holds true outside of D, with the
corresponding level set circle passing through Z.». Thus,
to bound A,(Z.) from above in Uy, we must find the
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largest a such that D, intersects U, at a single point only.
Based on the limit processes summarised in Equation
(14), as o grows from A towards infinity, C,,—0 and
ra—0. By the definition of UL given in Equation (15),
0¢UL. Thus, the intersection point must be found in By.

Fig. 3. lllustration of the search of minimiser of A, in the
load plane in rectangles U1 and Uy,. In the figure: a, >
on+1 and as>A>as. The box and cross markers indicate
the minimiser of Ay in Ur1 and Uy, respectively [9].

By combining the results from the above discussion,
since V. .cBy, for all (Zs,Z.) in U we have Ay(Zs,Z.) <
Av(Zso,ZL) < AV(Zso,ZLo), where (Zso,ZLo)E Bs-xB.. Because
this upper bound of A, over the whole closed and bounded
set U is its value evaluated at (Zso,ZL0)€U, then by the
Extreme Value Theorem, this point must be the minimiser
of A, in U.

In practice, the search for the maximiser of A, in U
is initialised by finding the maximiser (Zsp.Z.1) of Ay in
Bs-xVL. This is readily done, since this is a small subset
of U. Next A given in Equation (9) is computed at
Zs=Zso. If AV(Zso,ZL1)<A, then (Zso,ZLl) maximises Ay in
U. Otherwise, the maximum value is attained in Bs+xB_
which is also a limited subset of U. The search for the
minimiser follows an analogous algorithm.

V. APPLICATION TO ANALYSIS OF A
BIOTELEMETRY SYSTEM
The presented technique of finding the extrema of
the transducer power gain and voltage gain of a two-port
network as the source and load impedances vary in given
rectangles in the complex plane is applicable to all two-
ports which are unconditionally stable. In this section,
we present an example in the analysis of a wireless link
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in a biotelemetry system.

We consider a wireless link between a miniature
loop antenna formed by metallizing four adjacent faces
of a 1x1x1 mm?3 sized cube and a planar circular loop
with the inner diameter of 12 mm, which has been
developed for a wireless brain-machine interface system
[3]. In this application, the cubic loop lies on the cortex
harvesting energy for a microsystem that records the
electrical activity of the brain. The source of energy is a
planar loop placed 5 mm above the scalp transmitting
at 300 MHz. A major practical challenge in the
implementation and testing of the wireless link is the
impedance matching of the small loops. This is because
they have very low input resistance and consequently the
system is sensitive towards variability in the antenna
terminations.

For testing the wireless link, the antennas need to be
matched to 50 Q instruments. To bi-conjugate match
the system, we computed the unique matched source and
load terminations to achieve this and implement matching
circuits comprised of two reactive components for both
antennas. This is a generally applicable approach to
transform any complex impedance to a given resistance
[12, Ch. 5.1]. In this process, we utilised the simulated
Z-parameters of the wireless link including the antennas
and biological channel that we obtained from simulations
in ANSYS HFSS as detailed in [3]. As shown in [3],
due to the miniature size of the implanted antenna and
the biological environment, the maximum link power
efficiency in this system is attained around 300 MHz.
At this frequency, the component values to realize the
bi-conjugate matching were found to be: Ci, = 13.0 pF,
Lin = 1.80 nH, Cout = 182 pF, and Loy = 0.75 nH, where
the capacitors are connected in series with the external
and implant antennas and followed by the inductors in
parallel. At 300 MHz these circuits transform 50 Q to the
matched source and load impedances Zns=0.695-63.616 Q
and Zm=0.049-j2.489 Q terminating the implant and
external antenna ports, respectively. This means that
under ideal conditions the system is bi-conjugate matched
at 300 MHz with no impedance mismatch loss.

For the assessment of impact of variability in the
antenna terminations, the bounds of impedance variation
can be defined in numerous ways. We first considered
the tolerance rectangles Us and U. to be the largest
squares centred at Zms and Zp., such that the minimum of
Gt at 300 MHz was 3 dB (Case 1a) and 6 dB (Case 2a)
below the nominal value. As the presented analysis
method is applicable to any rectangle, we then extended
the squares to largest rectangles so that the drop in G;
from the nominal value remained at 3 dB (Case 1b) and
6 dB (Case 2b) at 300 MHz. Given that the level sets of
G are circles with the properties detailed in Section I,
this can be understood as an extension of the rectangles
until the critical level set circle passes through not only
one, but at least two of the corners of the tolerance
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rectangles. Finally, at other frequencies, Us and U_
were defined through corner points having the same
percentage difference in real and imaginary parts with
respect to Zs and Zy, as in the case at 300 MHz. Table 1
lists the percentage differences defining the rectangles.
Table 2 shows the corner points of the rectangles at 300
MHz. Figures 4 and 5 present the simulated transducer
power gain and voltage gain of the system together with
the bounds of variation given by the impedance tolerance
defined in Table 1.

Table 1. Percentage variation in the source and load
impedance for the computation of the minimum and
maximum of Giand A, in Fig. 4

Case la
Re(Zs) Im(Zs) Re(Z,) Im(Zy)
+1.17% +1.17% +1.17% +1.17%
Case 1b
Re(Zs) Im(Zs) Re(Z,) Im(Zy)
-1.17% -1.29% -1.21%
w364% L% 5100 41.18%
Case 2a
Re(Zs) Im(Zs) Re(Z,) Im(Zy)
+1.94% +1.94% +1.94% +1.94%
Case 2b
Re(Zs) Im(Zs) Re(Z.) Im(Z.)
—2.24% -1.96% -1.95%
+1013% 9% ooiop 41.04%

Table 2: Corner points of the tolerance rectangles (unit:
Q) at 300 MHz for the computation of the minimum and
maximum of G and Ay in Fig. 4

Case la
U. 0228 0.228 0.233 0.233
° —j37.72 -j36.85  -j387.72  —j36.85
u, 0039 0039 0.0404 0.0404
—j1.517 —j1.482  —j1.517  —j1.482
Case 1b
U, 0228 0228 1.07 1.07
S —j37.72 —j36.85  —j36.85  —j36.13
y, 0039 0.039 0.0483 0.0483
b —j1.518 —j1.482 -j1.518 —j1.482
Case 2a
u, 0226 0.226 0.235 0.235
-j38.0 —j36.56  —j38.0 —j36.56
y, 0.0891 0.0391 0.0407 0.0407
L —j1.529  —j1.471  -j1.529  —-j1.471
Case 2b
U, 0225 0.225 2.564 2.564
> -j38.0 -j36.56  —j38.0 —j36.56
y, 00891 0.0391 0.0619 0.0619
b —j1.529  —j1.471  -j1.529  -j1.471




BJORNINEN:

-20 T T T T T T T T T

Nominal

251 | Casela | |

Case 1b

-30 -

-35

-40 F

-45

Transducer power gain [dB]

-60 -

-65

-70 :
250 260 270 280 290 300 310 320 330 340 350

Frequency [MHz]
-20 T T T

Nominal

25y (i1 Case2a | |

Case 2b

-30 -

-35

Transducer power gain [dB]
A
v

-60

-65

-70 !
250 260 270 280 290 300 310 320 330 340 350

Frequency [MHz]

Fig. 4. Transducer power gain of the biotelemetry system
and the bounds of variation as the source and load
impedances vary in the tolerance rectangles given in
Table 1.

As seen from Tables 1 and 2, the bounds of
variability which correspond to the notable reductions
of 3 dB (Case 1) and 6 dB in the transducer power gain
compared to the nominal operating conditions, are small.
The same conclusion applies to voltage gain, which
drops 1.6 dB and 5.3 dB in Case la and Case 1b,
respectively, and 3.1 dB and 9.3 dB in Case 2a and Case
2b, respectively, at 300 MHz. Overall, it is clear from the
results that in this system very small variations in the
order of 1-t0-2% in the antenna terminations may result
in significant reduction in the system’s performance. In
contrast, however, it tolerates marked deviations in the
source and load resistances, towards values higher than
the nominal as exemplified by Cases 1b and 2b.

EXTREMA OF TWO-PORT NETWORK TRANSDUCER POWER GAIN AND VOLTAGE GAIN
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Fig. 5. Voltage gain of the biotelemetry system and the
bounds of variation as the source and load impedances
vary in the tolerance rectangles given in Table 1.

V1. CONCLUSION
Prediction of the performance bounds of electromagnetic
systems under non-ideal operating conditions is an
important step in achieving reliable devices and
conducting reproducible experiments. To aid this
process in the context of two-port networks,
we developed a semi-analytical method for locating the
minimiser and maximiser of the transducer power gain
and voltage gain as the port terminations vary in bounded
rectangles in the complex plane. Instead of differentiation,
the method exploits the knowledge on the structure of the
level sets of the gain parameters to limit the numerical
search to small-dimensional subsets of the full four-
dimension search space. We applied the method in the
analysis of a highly sensitive biotelemetry system based
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on magnetically coupled small loops. Future work
includes comparison of matching circuits to reduce the
sensitivity in this type of wireless systems.
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Abstract — Reflections from boundaries of the FDTD
computational domain lead to inaccurate, even unstable
codes when dealing with problems involving double
negative (DNG) materials. Here, an efficient and simple
algorithm is presented for terminating FDTD in DNG
medium which is based on first and second order
Mur’s absorbing boundary conditions (ABC). FDTD
update equations for Mur’s ABC formulations are
obtained from frequency domain one-way wave
equations using piecewise linear recursive convolution
(PLRC) method. Numerical examples are given both for
1D and 2D scenarios to demonstrate the validity and
stability of the proposed Mur formulations, and its
advantages over uniaxial perfectly matched layer
(UPML) in reducing computational time and memory
requirements.

Index Terms — Absorbing Boundary Conditions (ABC),
Double Negative Media (DNG), Finite Difference Time
Domain (FDTD), Lorentz model, MUR, one-way wave
equation.

I. INTRODUCTION

FDTD formulation is a convenient tool for solution
of electromagnetic wave problems. Often it becomes
necessary to terminate computational domain at fictitious
boundaries which ideally absorb all incident radiation
without producing any reflection. The most widely used
ABCs are Mur [1], perfectly matched layer (PML) [2-5]
types and the recently proposed surface impedance
ABCs [6,7]. Although PML performance is significantly
better than Mur’s ABC particularly when dealing with
a wider range of incident angles, Mur’s ABC may be
preferred due to its computational efficiency and ease of
implementation whenever the level of reflections can be
tolerated.

In the presence of DNG medium special care is
required in implementing Mur or PML ABCs to ensure
stability. In literature, one can find several studies on the

Submitted On: July 31, 2017
Accepted On: April 27, 2018

use of PML in DNG media [8-11]. Kosmas et al.
presented an ABC based on Mur’s approach using
dispersive media with a single pole conductivity z-
transform model [12]. In this study, a novel formulation
of first and second order Mur’s ABC has been developed
for truncating the DNG media for 1D and 2D problems
using PLRC-FDTD algorithm [13]. In the following
sections, formulation of the proposed method is
presented and its validity and stability as well as its
computational advantages over UPML is demonstrated
via numerical examples considering a domain filled
entirely with Lorentz type DNG material.

It should be noted two factors limit the applicability
domain of the formulation presented in this paper. The
first one is the assumption of identical dispersion
models for electric and magnetic susceptibilities to
enable the Fourier transform of the refractive index
N(w) = /¢, (w) 1, () to be performed analytically. The
second one is the approximation of the square root terms
in the one-way split-operator form of the wave equation
in 2" order Mur formulation by two term Taylor series
expansion. Thereby introduced limitations are discussed
in the following sections.

Il. NUMERICAL METHOD

A. Formulation of first-order DNG-Mur ABC
In linear, isotropic, and homogenous DNG media
the wave equation becomes:

VZE(a))+k2(a))E(a)):0;k(a)):%n(a)), (1)

where E is a field component, k (@) is the wave number

and c is free space wave velocity. The frequency
dependent refractive index n(w) is written as:

N(@)=\z () 4, (0) =1+ 2 ()14 2, ()] - @
In numerical calculations single pole Lorentz model
is used for electric and magnetic susceptibilities,

7 (@), i (@) @sin [14]:
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2

@
le,m(a)): 2 o ' (3)
a)m',alfl _a) +./r€ I/Ia)
where @, =~ is the plasma frequency, @, Iis the

resonance frequency, and I, ~is the damping

coefficient, respectively. Considering a 1D case, where
6/8y = 8/82 =0, right and left going waves can be

separated as:
+120(0))

(&4 n oy E @ &
(&-22nw) ) E@-0

The functional form of (2) complicates inverse
Fourier transform of the operators in (4). A convenient
way of avoiding this complication is to approximate
geometric mean in (2) by its arithmetic mean. This
approach is found to be rather effective when source
spectrum is centered close to the intersection point of the
% (@) and y, (®). However, for purposes of brevity, in

this letter we present the formulations for the case of
identical models for ¢ (®) and u (@) to write the

- (4)

refractive index as n(w)=1+ g, (@). Then the left going
waves in (4) yields:
oE
EO) Jog @) J0pp)—, )
P(w)=z (0)E(w). (6)
Inverse Fourier transform of (5-6) yields:
E(t E(t P(t
E()_LEM 1RO _, o
OX c ot c ot
P(t) =z (t)*E(1), ®)
where <x° denotes convolution in time domain and
electric susceptibility function in time domain , (t) is
obtained from (3) as:

2. () =re“sin(Bt)u(t), 9)

where o, =T",/2, p, =«fa)§e —F§/4 and 7, :wie/ﬂe :

To derive an FDTD update equation for implementing
one-way absorbing boundary condition, (7) is discretized
using two-point centered difference approximation at
mesh point i+1/2 and at time index n+1/2:

n+ n CAt — AX n+ n
S N Erve) e .

AX n+l n+l n
_KCAt+AX][P|”1 | +P| _Plij|

Here, i and n are the indices of discrete space and
time variables, Ax and At are spatial and temporal
discretization step sizes, respectively. The discrete form
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of P" is obtained by using PLRC method [13] where the
multiplication in frequency domain corresponds to the
convolution integral in time domain and discretized as a
running sum. Imposing causality, the convolution term
in (8) can be defined as:

P(t):;(e(t)*E t):jE(t—r);{e(z’)dr. (11)

The discretized convolution integral is then obtained by

inserting t = nAt into (11):
nAt

P|In = I E(nAt—7)y, (r)dz] .

0 i

Approximating the variation of E fields with a linear

(12)

function in successive At interval qAt<z<(q+1)At,
one can write:

E n-gq-1 __ En—q

E(nAt—7)=E""+ (r—qAt). (13)

Substitution of (13) into (12) yields:

(g+1)At

-5 | e E S o

=0 gat i
n-1
D PRI
q=0
(14)
where
q+1
j z.(7)dz, (15a)
qAt
(g+1)At
El=— J (r—qAt) z, (7)dz, (15b)

At

which can be evaluated using (9) and following the steps
givenin [13,14]. The P terms in the right side of (10) can
then be expressed as:

Pn+1_ +P

i+l

gAt

n+l n

=§:|:Ei+1+Ein:| . (16)

0 n+l n+l n n
+(Ze e)I:E|H1 |i ]_We i+1_l//e i
where . is known as the recursive accumulator and
given by:

~Pf

i+l

+A£jq

vl =S (a7 -ac) el

q=0

- “‘1] . (17a)

with
A= =" AG=8-8" (17h)
Substituting (16) into (10) and rearranging the discrete

equation, one obtains FDTD update equations for left
(i=1) and right (i=K) side boundaries:
E ;Hl _ al E

n+l

n+l

n n n n
+a2 E|2 —3.3 E|1 +8.4 I:(//E 2 _H//E 1

] . (18)
+y, "K]

n+l

E|, =a,E

n n n
+a,E[ -a E| +a, [z//e .

K-1



with

_[CAL-AXY [ AX ) (o o)., _ s0.
_(cmwx)’cz _(cAHAxJ’ G=(n-&)e =4 _
G, —CG | 1_Czc4 . C GGy |, C,
=l —|a= Ay = ;a, =
e [1+c2c3J : [1+czc3j % [1+c2c3 j N [1+CZCJ
B. Formulation of second-order DNG-Mur ABC
The first-order DNG-Mur’s boundary is suitable for
1D problem, where the wave is propagating normal to
boundaries. In more general problems, wave propagates
toward boundaries at an arbitrary angle. In those cases,
obviously, 2™ order approximation is superior to the

1%t order approximation in reducing reflections from
boundaries of the computational domain. Considering

2D case (8/z = 0) where only the E, field components

impinge on the left and right boundaries along x-direction
(i.e., on x=0 and x=h), the wave equation is factored as
in the following:

2 2 2
(;7+§?+%n(w)z]E(a)):(DX2+D§—Df,n(a;)2)E(a;)
~(D,+D,n(@){A-87 )(D,~D,n (@) i-S7 ) E (@) =0
(19)
where
2
S (20a)
n(w) D?

0 e ® 12 e @

D=5 Df=37D.=0Di=—F . (200)

Approximating the square root term with a two-
term Taylor series expansion as ,/1-S? =1-5?/2 and
substituting S? and n(w) into (19) one can write the

one-way wave equation which satisfies the backward
wave condition along x-direction as:

(Dx -D,n(@) (1— S—ZD E(e) ,(21)

= 10T P (0P p () SR (0)=0

where

-Q(o). (22)
Q(@)=R(®) 2 ()

Taking the inverse Fourier transform of (21) yields:
G ‘E(t) E(t) 0 P(t)

Otox ot’ ot’ R(t) 0. (9
where
P(t)=1.(t)*E(t)
’E(t
R(t)= -Q(t). 24
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Similar to 1D formulation, discrete forms of P, Q
and R are obtained using PLRC algorithm:

(”j) {2P"—P™ + pE™ + p,E"+ p,E" +y! )

Qi ={Q"+pR™+ER" —4'}

(i.1)

@i.9) . (25)
En+1 _2En+1 +En+1
R|n+1 _| i () 76 _Q|n+l
) AY? )

Here, . and ¢ are known as the recursive
accumulator and given by:

o maf(A-Ag ) ET (i ]
v, (i,j)= ( JE 1) . (26a)

Sl +AZET (L)

o ml(art-ag )R,
¢en(|,J): ( ) ( ) , (26b)

= + AfeqeR'HH (i, j)

where

Ayl = -2+ Mk =20 -2 (279)

AL =g 28+ &0 MGl =& =& (2Th)

Using central-difference expressmns for the space

and time derivatives in (23) and substituting discrete
form of P, Q and R from (25) one obtains:

n+l n+l n
Bl =@ Ely T Bl +& Bl e E|(z i
n
+& E|<1,i)_ee['/’e|(2,j>+'/’e|(1,1)} . (28)
n n
& [Rl(z,n * R|(1,j>}
with
p=(x-&)ip=(ri-& 220 +3&) )i p, = (& -2&))
CAt/AX+1+p,  CAt/Ax-1-p, . 2-p, .
0= 2 1€ = 2 6, =6 = 2.
2At 2At%, 2At%,
_ CAt/AX+1+ P, cAt/Ax 1—p%_ 1 o c?
Y At = 2At%e, % C2Ate,’ T 4e,

Analogous FDTD expressions for the 2™ order
DNG-Mur ABC on the other boundaries can be derived
in the same manner.

I1l. NUMERICAL RESULTS
In this section, first numerical results are presented
both for 1D and 2D cases where the problem space is
filled entirely with DNG medium modelled by identical

Lorentz parameters for &, (w),x, (@) and boundaries

on both sides are terminated with proposed DNG-Mur
ABCs. In all simulations, a tapered sinusoidal pulse
(5-10-5 pulse described in [15]) is used as excitation with

a center frequency of f =75 GHz, and inserted at
the center of the FDTD grid. The Lorentz type
medium parameters are chosen as @, =@y, =@+/48/25,
@ =0y =a,/5 and T,=I,=@/200, which yields
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a refractive index about -1 at the center frequency
(o, =271 ). FDTD grid parameters are Ax=0.067 cm

for 1D case and Ax=Ay=0.2cm for 2D case with a time
step of 0.5 times the Courant limit. Total FDTD domain
is chosen as 1000 grid and 400x400 grid for 1D and 2D
scenarios, respectively.

Absorbing performance of the proposed formulations
are illustrated via reflections from the DNG-Mur
boundaries. The reflection coefficient at an observation
point is determined by calculating the test and reference
field strength versus time using proposed FDTD
formulations in two steps [10]. In the first step, the test
field Ees is calculated at an observation point 2-cells
away from the DNG-Mur boundary. In the second step,
incident field Ei, is obtained by repeating the same
calculations, but now considering a larger domain so that
boundary reflected fields cannot reach the observation
point during the time window of step one. The reflected
field can then be obtained as Eret (t)=Eest(t)-Einc(t). Then,
the reflection coefficient at each frequency is calculated
by dividing the discrete Fourier transforms (DFT) of
reflected field and incident fields.

In Fig. 1, frequency spectrum of the incident field
is shown together with reflection coefficients obtained
using DNG-Mur ABCs in 1D and 2D scenarios. For
comparison purposes the reflection coefficients obtained
using 10-cell thick DNG-UPML ABCs are also plotted.
The computation time and memory requirements for
both approaches are listed in Table 1. Our numerical
results show that 1D and 2D DNG-Mur ABCs reduce
reflections to about -60dB and -50dB level over the
7.1-7.9 GHz band under the main lobe and require
less memory and computational time than DNG-UPML
simulations.

= 1 T T

D : :

Los : :
55 : : :
=z : H
Lo 0 L
L= 65 7 75 [ 85

Frequency [GHz]

— 0 . d : T . : :

B ol S oL 0 ORG Mur ]
= : T ———10:DNG HPML ]
R LN e I AP LI ; P Senseonan: e =
2 Ll - PRpY Y ...___..-\\5_.\

= -150 1 I I 1 1 1 i

g T 7/5 7.3 7.4 75 7.6 7.7 7.9
o 0 T T T T T

S o o ] ——2D-DNG M\& H
E 00 __V/_._i;_._._.;_‘_;.;._;_;;.;.;_.;;_;_;;._ __ZQE-DNG: UPRL ||
T 150 i i I i I i i N
o 72 73 7.4 75 76 77 7.8 7.9

Frequency [GHZ]

Fig. 1. Frequency spectrum of incident field, and
reflection coefficients both for DNG-Mur and DNG-
UPML for 1D and 2D scenarios.

We have also calculated the reflection coefficients
performance of proposed DNG-Mur ABCs for the case
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of non-identical Lorentz models using arithmetic mean
approach outlined in Sec. I1A. The results obtained with

the same parameters for y, (w), but o,, =@, , @,, = a)s/ 2

and T, =@,/200 for y (w) are found to differ less than

+3 dB from those shown in Fig. 1, over the entire
frequency range.

DNG-Mur at N = 14 950 time steps
400 s ,/./ \\\\ —
M

&
W

NS L
L\ u\\@/lu 'y

&

0o 150 20 30 400
¥-axis

(@)

Standard Mur at M = 14 950 time steps

(i

50 100

100

150 200
¥-axis

(b)

Fig. 2. Snapshot of propagation through DNG slab using:
(a) DNG-Mur and (b) standard Mur.

300 350 400

As a second 2D test we consider a DNG slab with
a thickness along y-direction about 100Ay imbedded
in air, extending infinitely in x, z, and excited by a z-
directed line source. We have used 50-1000-50 cycle
[15] source at f =7.5 GHz . This yields near-perfect

match conditions as steady-state conditions set up, and
the refractive index of the slab approaches to -1 (-0.9999-



0.0104j). In order to demonstrate the effectiveness of the
proposed extension of Mur formalism to DNG media we
performed two simulation runs, one using DNG-Mur and
the other using Standard-Mur at slab boundaries. For the
first simulation, boundaries of the 400x400 grid size
computational domain are terminated with standard 2D
Mur ABC for air, and with 2D DNG-Mur ABC for the
DNG slab boundaries at y-grid points between 150 and
250 (See Fig. 2 (a)). For the second simulation, standard
2D Mur ABC is used at all boundaries (both air and DNG
slab, See Fig. 2 (b)). The line source is placed at a point
where x=200AX, y=100Ay, i.e., at a distance 50Ay from
the DNG slab for both simulations, and typical outputs
are depicted in Fig. 2 (a), Fig. 3 (a), and Fig. 2 (b), Fig.
3 (b), respectively.

E-Field recorded with DNG-Mur

015 L P o o
02 i 1 i i I
] 5 10 15 n % 30 35
Time [ns]
(@)
E- Field recorded with standard Mur
[T P P, R,
015 ......................................................
01
O 05 Lo
]
005k n\”'”\
01
015kE .......... ......... e ........ ........ | ‘ ‘
0 o 10 15 el 25 an 35
Time [ns]
(b)

Fig. 3. Time domain field recorded at an observation
point while DNG slab is truncated with a) DNG-Mur and
b) Standard Mur.

The snapshot given in Fig. 2 (a) clearly shows the
cylindrical wave fronts emanating from the source, as
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well as from the anticipated image locations [15,16]
inside and behind the slab. In Fig. 3 (a) the time history
of the E field at an observation point located between
source and slab is given which demonstrates the stability
of the code when terminating slab boundaries with DNG-
Mur. Figure 2 (b) and Fig. 3 (b) correspond to similar
outputs obtained when, at slab boundaries, DNG-Mur
is replaced with standard Mur. Figure 2 (b) and Fig. 3
(b) show that reflections from improperly terminated
boundaries of the DNG slab results in instability after
about 10,000 time steps, and completely corrupts field
distribution inside the computational domain by 14,950
steps, as shown in Fig. 2 (b).

Table 1: Memory usage and computation time in FDTD
simulations for DNG-Mur and DNG-UPML ABCs

. Time Memory
FDTD Grid
(s) (MB)
2D Case Mur 1693.9 244.45
1000x1000 cells
t=5000At UPML 3881.5 516.98
1D Case Mur 1.73 0.72
1000 cells
1=10000At UPML 2.65 0.87

1V. CONCLUSION
Absorbing boundary conditions based on Mur’s
approach have been developed for DNG media in 1D
and 2D FDTD computational domain. In the presented
formulations, DNG slab is modeled with identical Lorentz
parameters for ¢ (®), 4 (@) in frequency dependent

one-way wave equations and PLRC method is used to
derive FDTD update equations. 1D and 2D simulations
demonstrate that the proposed implementations of Mur
ABC for terminating DNG media provide stable results
and effectively reduce boundary reflections by about
50 dB, which may be acceptable in many applications.
Comparison of computational requirements for DNG-
Mur and DNG-UPML as listed in Table 1 indicate that
the DNG-Mur provides definite advantages both in
memory and computation time. The formulations given
in this paper are valid for any dispersive media and can
be also applied for Drude model.
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Abstract — Magnetic excitation of eddy currents in a thin
metal sheet is a difficult problem that has many useful
applications to scrap metal recycling. Using finite-
difference approximations on both the curl and divergence
of the current density, we develop a numerical algorithm
that is simple to implement, quick to solve, and capable
of modeling excitation from arbitrary magnetic field
distributions. For the special case of a weakly-induced
eddy field, the self-inductance terms can be neglected,
resulting in a sparse system matrix that is easily inverted.
For a strongly-induced eddy field, self-inductance must
be included at the cost of a more complex, denser system
matrix. The method is validated against the CST EM
Studio software suite and produces nearly identical
results on a thin-sheet simulation in only a tiny fraction
of the time.

Index Terms — Current density, eddy currents, finite-
difference method, quasistatics.

I. INTRODUCTION

The excitation of electrical eddy currents in metal
objects is a well-known phenomenon with many practical
applications. For example, eddy current testing is a
form of nondestructive probing that detects the presence
of cracks in a metal plate by measuring changes in
impedance to a current-carrying coil [1, 2]. Levitation
melting is a technology that uses eddy currents to repel
particles against gravity to avoid contact contamination
with a physical container [3, 4]. Eddy current separation
is a popular method for separating nonferrous metal
particles from other nonmetallic fluff [5]. Electrodynamic
sorting is a recent technology that uses high-frequency
electromagnets to separate nonferrous metal particles
from other dissimilar metals [6, 7, 8].

For all of its industrial applications, the
mathematical theory behind eddy current induction is
notoriously complex. Although some canonical problems
can be solved analytically [9] (e.g., spheres, cylinders,
etc.), many basic geometries are still difficult to model
accurately. In particular, the thin metal sheet is especially
interesting due to its prevalence among scrap metal
particles encountered throughout the recycling industry.
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Some authors have been able to generate approximate
solutions for thin metal rectangles under the assumption
of uniform excitation by a magnetic field [10] but only
by neglecting the self-inductance of the induced currents.
For the purposes of electrodynamic sorting, however,
the net force acting on a particle relies on both the
nonuniformity of the magnetic field as well as the self-
inductance of the induced currents [8, 11].

When analytic solutions are unavailable, the next
best alternative is to utilize numerical approximations
for the induced eddy currents throughout an object. This
is usually accomplished through some variation of the
finite-element method (FEM), with many competing
formulations to choose from [12, 13]. Generally speaking,
however, the majority of such methods tend to fall into
one of two distinct categories. The first formalism is
commonly referred to as the A — ¢ method because it
utilizes on the magnetic vector potential A and electric
scalar potential ¢ [14]. The second formalism is called
the T — Q method because it utilizes the electric vector
potential T and magnetic scalar potential Q [15].

A key problem with both of these formalisms is
the imposition of boundary conditions, which cannot
necessarily terminate at the edge of a body of interest
[16]. Instead, the simulation must often include a large
void of empty space surrounding the particle so that
meaningful boundary conditions may be applied far away
at near-infinity. As a result, significant computational
memory must be devoted to the uninteresting samples of
empty space beyond the object of interest. This can be
especially wasteful for the case of thin metal sheets,
which presumably ought to simplify into much more
compact expressions in only two dimensions.

What is needed is a fast, accurate method for
calculating the induced eddy current density along a thin
metal sheet as it is excited by an arbitrary magnetic field
profile. More specifically, we would like a method that
only requires sampling along the region of space inside
the metal object and that does not waste resources on
the empty void of space beyond the particle of interest.
To fill that need, this paper reexamines the governing
equations of eddy current theory and derives a simplified
numerical algorithm accordingly. Rather than invoke the

1054-4887 © ACES
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use of any specialized potential functions, we may
instead solve directly for the desired field components by
expressing the problem in terms of divergence and curl.
The method shares many similarities with the well-
known finite-difference method (FDM), and thus follows
a similar derivation to that found in [17]. This makes the
algorithm relatively simple to implement by avoiding
many of the complex meshing problems typically
associated with finite element methods.

Il. THEORETICAL BACKGROUND

Figure 1 shows the geometry of interest considered
for this work. A rectangular metal sheet with spatially-
varying conductivity o(x,y) has length L,, width L,,
and thickness L,. The sheet is assumed to be very thin
such that L, <« L, and L, < L,. This allows us to
consider only the normal component to the magnetic field,
since the sheet is too thin to experience any significant
excitation by parallel components. We therefore express
the impressed magnetic field distribution as B;(x,y) z,
which is assumed to excite the system in a sinusoidal
steady state with angular frequency w = 2rf. Our goal
is to solve for the eddy current density J(x, y) induced
throughout the plate.

Bi(x,y)z La
[ |

L,
’ o(z,y)

| L,

Fig. 1. A thin metal sheet is excited normally by an
impressed magnetic field profile B;(x,y) Z.

We begin with Maxwell's curl equations for linear,
isotropic, nonmagnetic media in phasor form. Assuming
a phasor convention of Ae/®t, we let d/dt = jw. Given
a magnetic field intensity B, electric field intensity E,
and current density J, Ampere's law states that:

VX B =pyd+jouyekE, @Y

where p, is the permeability of free space and ¢, is the
permittivity. In the context of eddy current excitation by
time-varying magnetic fields, the last term in Ampere's
law is assumed to be negligibly small. This condition is
commonly known as the quasistatic approximation and
allows us to rewrite:

VXB=puyd. (2)
If we now take the divergence of both sides, the curl term
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vanishes to produce:
V-J=0. 3)

What (3) tells us is that no free charges will ever
accumulate under quasistatic excitation by a time-
varying magnetic field. However, simply knowing the
divergence of a vector field does not uniquely define that
field. According to the Helmholtz theorem, a unique
vector field is only specified if we also know the curl of
J within a simply connected region, as well as its normal
component over the boundary [18].

With such criteria in mind, we now turn our
attention to Faraday's law, which states:

VXE=—jwB. (4)
Given a conductive material with conductivity o, Ohm's
law further states that J = oE. Note, however, that it
is actually much more convenient to express this law
in terms of the resistivity function p = 1/¢ such that
pJ = E. Substitution back into Faraday's law then reveals:
Vx (pJ) = —jwB. (5)
Bear in mind that we are explicitly assuming p(x, y)
might vary as a function of position and therefore cannot
be removed from the curl operation as a constant
coefficient.
When taken together, (3) and (5) appear to provide
a near-complete description for the divergence and curl
of J. The only concern is that the curl acts on the quantity
pJ rather than just J alone. Fortunately, this does not
present a significant challenge in that p can be treated
as a sectionally-constant function over the domain of
interest, thereby dropping out of the curl operation
throughout each region. In practice, however, it will be
far more convenient to simply leave (5) in its present
form and work accordingly.

11l. WEAK-EDDY APPROXIMATION

When modeling the excitation of eddy currents, the
magnetic field B is expressed as a linear superposition
between two distinct contributions,

B=B;+B,. (6)

The first contribution is called the impressed magnetic
field B; and is interpreted as some arbitrary excitation
field imposed onto the system by outside forces. The
second contribution is called the induced magnetic field
B,, or simply the eddy field, and is created by the
presence of moving charges within our domain of
interest. While the impressed field B; can be treated as a
mathematical given, the eddy field B, is dependent on
the current distribution J. This relationship is governed
by the Biot-Savart law:

to [ I x(r—r")

Be(r) = E v |r _ r/|3 dV ’ (7)

where r is an arbitrary observation point and r’ denotes
the set of all points inside the volume V that carry



electrical current. The complication presented by (7) is
that we cannot solve for J without first solving for B,.
However, we cannot solve for B, unless we also possess
a solution for J. A complete mathematical solution
therefore requires J and B, to be solved together
simultaneously.

AY
KT KT KT HKTK
® ® ® ® ® ®
KT HKTHKT XK T X
® ® ¢ L ® ®
KK T XK T KK
® ® ® ® ® ® Ih
KT KT KT KK
® ¢ ® L ® ®
KT KT KT KT XK
i
>

Fig. 2. Staggered mesh positions for sampling vector
components of the conduction current density. The Xs
denote samples along J, while dots represent samples
along J,,.

Before tackling the simultaneous solution of J and
B, it will first be instructive to consider the special case
where B, is not a significant factor in relation to B;. This
may occur, for example, when the resistivity p is very
large, thereby preventing charges from flowing intensely
enough to generate any significant self-inductance. A
similar situation also occurs when w is very small, since
the changing magnetic fields are too slow to generate
significant charge flow. One other scenario occurs when
the sheet thickness L, is very thin, since an infinitely thin
sheet of current density technically carries no current.
All of these scenarios are mathematically equivalent in
that the induced field B, is far too weak to compete
with the applied magnetic field B;. In this weak-eddy
approximation, the curl equation for J may be expressed
as:

Vx(pd) = —jwB; (IB;| » [B.]). 8)

The following sections will first focus exclusively
on the weak-eddy approximation by deriving a
simultaneous numerical solution to (3) and (8). Doing so
will lay the mathematical foundation for discretization of
various field components and the subsequent numerical
solution that arises. We shall then build on that
foundation in later sections by dropping the weak-eddy
approximation and deriving a complete numerical
solution for J.
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IV. DISCRETIZATION SCHEME
We begin building our numerical algorithm by
establishing a mesh of position coordinates for sampling
the vector components J, and J,. Figure 2 shows an
example of how such a grid might look along a small
section of the domain. The Xs denote samples along the
J, function while dots denote samples in J,. Each
sample represents a rectangular block of uniform current
density with length and width h but depth L,. The most
important feature of the mesh, however, is the way in
which J,. and J,, are staggered in space. The significance
of this convention will become clear later on when we
attempt to calculate the curl and divergence of J.
In order to facilitate indexing, it is helpful to define
a short-hand notation for each sample along the mesh.
We represent the nth and mth grid samples along x and y
using:
x,=nh (n=123..), €))
Yym=mh (m=1,23..). (10)
Since the grid samples are staggered from each other in
space, it helps to note that half-step increments also
satisfy:
Xn12 = M+ 1/2)h, (11)
Ym+1/2 = (M +1/2)h. (12)
We now reference the staggered mesh of current density
through a simple indexed notation given by:

J;l'm = Jx(xn' ym+1/2) ,
J;,m = Jy(xn+1/2')7m) .

(13)
(14)

V. DIVERGENCE STENCIL

With the sample grid formally defined, we are now
ready to approximate (3) in terms of a finite-difference
stencil. We begin by dividing the domain into a set of
primitive volumes, or cells, each of which is defined by
a uniform resistivity p,,,,. An example of such a grid is
depicted in Figs. 3 and 4 wherein each cell represents a
unique volume denoted as Q,,,,,. The key is to place all
J,. samples on the left and right faces of the cell whereas
all J,, samples are placed along the top and bottom. It
is also important to note how the far-left and far-right
boundaries of the metal plate are occupied only by
samples in J,, with the top and bottom boundaries
occupied by samples in J,. This allows us to implicitly
force all normal components of the current density to be
zero at the boundaries of the domain, thereby satisfying
the last requirement of Helmholtz's theorem.
Equivalently, one could also think of this as imposing
a Dirichlet boundary condition along the edges of the
domain for all normal components to the current density.

We now explicitly write out the divergence of J in
terms of individual vector components. Recalling the
thin-sheet approximation to our model, we let 3/3z = 0
so that,
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LA, 0,

=0. (15)

T=9% T oy

Fig. 3. Divergence mesh with cells of constant resistivity

pnm-

Applying the central-difference approximation
about the (xy,41/2, Yn+1/2) coordinate then produces:

J;l,m _J;L—l,m J;]t,m _J;/i,m—l

=0, 16

S Sl it (16)
or equivalently,

S A i P ()

It is interesting to note that we could also obtain
an equivalent expression through the use of finite-
integration techniques (FIT) [19]. In fact, this is often the
preferred method when dealing with variable-coefficient
expressions of differential equations [17]. The process
begins by calculating the volume integral of (3) over the
sub-volume Q,,,, to find:

[[o-aar=o

Qnm

By applying the divergence theorem, we can rewrite this
expression as the surface integral:

([ a-as=o.

0Qnm

(18)

(19)

where 9Q,,,,, indicates the surface enclosing Q,,,,, and dS
indicates the outward-pointing differential unit normal to
that surface. Since the current density only points along
the x- and y-directions, the contributions to the surface
integral along +Z are zero. Furthermore, since each
sample in J, and J, is assumed to be constant over its
respective region, the complete integral evaluates to the
simple expression:

I — T g — g = 0., (20)
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which is identical to (17). This shows how FDM and
FIT can actually be viewed as two complementary
perspectives on the same mathematical problem.

T
J’J‘I

n,m
g

Jn,'m—l

Y

Fig. 4. Individual divergence cell with outward unit
normal vectors indicated around the edges.

For the special case of a divergence cell at the
far edge of the metal plate, we can implicitly impose
boundary conditions by forcing the normal component
of the current density to zero. This condition is a direct
consequence of (5), which requires that no current be
allowed to flow into or out of the edges of the metal plate.
For example, at the far-left edge of the metal plate, the
JR~1™ term contributes nothing and leaves only,

I+ I =g =0, (21)

Similar expressions also apply to the top, bottom, and
right boundaries of the metal plate as well as the four
corner cases.

VI. CURL STENCIL
Looking at the template in Fig. 3, we notice that
there are 6 x5 divergence cells for a total of 30
divergence equations. However, there are 25 samples in
J, and 24 samples in J,, that need to be calculated. We
therefore have only 30 equations with 49 unknowns—an
underdetermined system. Speaking more generally, an
arbitrary rectangular grid of N, x N,, cells will produce
Ngq = N,N,, divergence equations. However, the total
number of J, samples isn;,, = (N, — 1)N,,, and the total
number of J,, samples is n, = N,(N, — 1). The total

number of unknown samples N,, is thus:

N, = 2NyN, — Ny — Ny, . (22)

This leaves us with a deficit of NyN, —N,— N,
equations before we can arrive at a unique solution.

The reason for our equation deficit is that, as noted
earlier, merely specifying the divergence for some vector
field does not uniquely define it. It is only when we



specify both the divergence and curl simultaneously (as
well as the normal component along the boundary) that
we produce a uniquely-defined vector field. To that end,
we shall next introduce the curl cells depicted in Fig. 5.
Unlike the divergence cells, however, the curl cells are
shifted in space so that.J, samples now lie on the left and
right edges while J, samples lie at the top and bottom.
We may also assume that the total magnetic field B,
throughout each cell is a constant value. To differentiate
between curl cells and divergence cells, the regions of
curl are denoted with a prime notation using Q;,,,.

Prm+1 Pr+1.m+1

n,m+1
o

n,m n+1,m
Iy Jy
E E Jm E
' ' T '
E Pn.m E Pn+1 ,m E

Fig. 5. Individual curl cell with tangential unit vectors
indicated. Corresponding resistivity blocks are also
indicated.

Unlike the divergence case, a direct finite-difference
approximation to (5) is somewhat counter-intuitive due
to the product pJ. This is a classic instance where finite-
integration can serve as a more powerful generalization
of FDM. Simply begin by calculating the flux integral of
(8) across the area within Q,,,, to find:

Q{{Vx(pJ)-dS - —jwﬂgsi-ds, (23)

where dS = dxdy Z is the differential unit normal across
Q... By applying Stokes' theorem to the left-hand
side, we can convert the surface integral into a contour
integral with the form:

f (pd) - df = — jw UBi-dS.

! I
aﬂnm O“)‘LT)‘L

(24)

The contour vectors for d€ are likewise indicated in
Fig. 5 and point along the clockwise direction.
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Before we can compute the curl integrals, we must
first clarify the sampling along resistivity. Since each
sample of current density flows across the boundary
between two resistivity cells, there is no clear choice for
Pnm 0 use with (24). We can solve this problem by
simply averaging the two resistivities together along
each sample. In terms of our grid stencil, this would
could be written as:

p)rcl,m = 0-5(pn,m + pn+1,m) ’ (25)
p;,m = 0-5(pn,m + pn,m+1) . (26)

Notice how this naturally lends itself to the introduction
of anisotropic materials wherein each sample along J,
and J,, has its own resistivity expressed by p, and p,,.

We are now ready to apply (24) to the finite-
difference stencil. Assuming that each curl cell is excited
by a constant magnetic field intensity B,,,, the curl
expression evaluates to:

p31/1+1,mJ;1+1,m _ P;'mJ;l'm
+pp I — pRMHL ML = — jwhBy,, . (27)

Evaluating the above expression over all curl cells will
then add N, = (N, — 1)(N, — 1) further equations to
our system. When combined with the divergence
equations, the total number N, of equations becomes:
N, = 2NN, — N, — N, + 1. (28)
It is surprising to note that N, = N, +1. This
seems to indicate one extra equation more than we need,
which might lead one to conclude our system is over-
determined. Fortunately, the reality is that we actually
have one more divergence equation than necessary. To
see why, it helps to consider the two equations a = b and
b = c. Given such information, we can naturally deduce
that a = c. From the perspective of a linear system,
however, any explicit statement of a = c is technically
redundant information. By analogy, the set of all
divergence equations likewise possesses the same
mathematical redundancy. If N; —1 expressions of
divergence are specified, conservation of charge
implicitly tells us the flow of current throughout the last
grid cell. This means N, N, total divergence equations
are possible, but only N,.N,, — 1 of them contain unique
information. We may therefore discard one divergence
equation (any one we like, in fact), and the total number
of equations becomes:

N, = 2N,N, — N, — N,

=N, +N;—1. (29)

We now have N, = N, and the system is guaranteed a
unique solution.

VII. BLOCK MATRIX SOLUTION
To finalize the solution to our eddy current problem,
it is necessary to assemble all instances of (17) and (27)
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into a complete linear system. We begin by collecting all
samples of J, and J,, into the two vectors u, and u,,.

Recalling thatn;,, = (N, — 1)N,, and n;,, = N,(N,, — 1),
we can write these vectors as:
iy T
=[JLJ2,., 17, (30)
T
S (31)

Note that indexmg in this context requires a consistent
mapping function between every J;*™ sample on the
rectangular grid to a unique J: sample along a linear
array. Following the same convention, the forcing vector
b is likewise expressed as:

b = —jwh[B,, By, ., By, |, (32)

where each B; maps to some unique B,,, and denotes the
constant magnetic field intensity exciting the ith curl
cell.

We are now ready to formulate the N; —1
divergence equations expressed by (17) as a single
matrix equation with the form:

D,u, +Dyu, =0, (33)

where D, and D,, are called the divergence matrices with
0 representing a vector of all zeros. The D, matrix has
N4 — 1rows and n;, columns, while D,, has N; — 1 rows
and n;, columns. Both matrices are also highly sparse,
with only two nonzero elements at most per row.

Moving on to the curl cells, we can assemble all
instances of (27) into a system of N, linear equations.
The outcome can also be written as a matrix-vector
equation with the form:

Cyu, +Cyu, =0, (34)
where C, and C, are called the curl matrices. Both
matrices have exactly N, but n; and n, columns,
respectively. If we then combine (33) and (34) together,
the result is a block-matrix equation with the form:

[Cx Cy][ux]__[b]
D, D,| [uy] ™ lol"-
A complete solution is thus found by inverting (35) and
extracting all J, and J,, samples accordingly.

Although the literature does not yet contain any
exact solutions for the eddy current density along a metal
rectangle, there does exist an exact solution for the
weakly-induced eddy current along a metal disk. Given
a disk with radius a and conductivity o, a uniform
magnetic field B, exciting the disk at a frequency of f
will induce the eddy current J satisfying:

J(r) = —¢ 2jnfoB,r/2, (36)
where r is the radial distance from the center of the disk
and ¢ is the unit angular vector. Note that this expression
is true for any thickness L, since there is no self-
inductance to account for.

(35)
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Figure 6 shows a sample calculation of the weakly-
induced eddy current density along a metal disk with
2-cm radius. The frequency of excitation was set to
f =100 Hz with a uniform magnetic field intensity of
By = 100 mT. To mimic the geometry of a disk on a
rectangular simulation area, the region inside the disk
was set to a conductivity of o = 1.0 MS/m while the
regions beyond the disk were set to a very small value of
only ¢ = 1.0 S/m. Note that we cannot directly seta = 0
in this region without introducing a singularity into
the matrix equation. Looking at (27), a point of zero
conductivity would introduce infinite resistivity and
thus render the matrix non-invertible. Likewise, the
resistivity cannot be set to zero, either, or else similar
singularities would ensue.

y-Distance [cm]

0 0.5 1 1.5 2
x-Distance [cm]

Fig. 6. Induced eddy current density at time wt = /2
along a metal disk with 2 cm radius and electrical
conductivity o = 1.0 MS/m. The frequency of excitation
is f = 100 Hz with a uniform magnetic field intensity
of B, = 100 mT.

1.5

-
T

o
n
T

Percent Error [%]

0 0.2 0.4 0.6 0.8 1
Radial Distance [cm]

Fig. 7. Percent error between the induced eddy current
in Fig. 6 and the analytic expression (36).



For comparison, Fig. 7 plots the percent error as a
function of radial distance along the y = 0 axis. Since
the matrix expression in (35) is highly sparse, the
simulation in Fig. 6 could be meshed with an extremely
fine resolution of 301 x 301 cells. The result is very
high accuracy in the calculation, with error only reaching
1% near the edge of the disk. This is primarily a result of
stair-stepping error that arises from using square cells
to approximate a curved boundary, and it is generally
unavoidable when utilizing finite-difference schemes
that rely on rectangular meshing.

VI1Il. BLOCK AVERAGING

Once a solution for all J, and J,, has been obtained,
it is often convenient to impose a final post-processing
step onto the result. The goal is to adjust the initial
placement of samples from a staggered grid onto a
consistent grid of positions. Inspired by a similar
procedure to that found in [17], one easy way to
accomplish this is by simply averaging samples together
around the centers of the divergence cells around each
Q. The result is a new set of Jy and J;, samples that
occupy the same position and thus can be plotted
meaningfully onto a graphical display. Mathematically,
we write this operation as simply,

J:z(xn+1/2')7m+1/2) = O-S(J;_l'm + J;?'m) , 37
Jy(Xns1/2 Yme1j2) = 05031 +I7™) . (38)
Note how this places the averaged samples along a new
grid at the centers of the divergence blocks. Samples

along the edge of the domain (e.g., J>™) are simply
assumed to be zero.

IX. SELF-INDUCTANCE
Let us now consider the implications of self-
inductance by dropping the weak-eddy approximation.
We express the eddy field B, in terms of a magnetic
vector potential vector A, where B, = V X A,. The curl
equation (5) then satisfies:
Vx(pJ)+jwV xA, =—jwB;. (39)

As we did with (23), we integrate around some arbitrary
surface (;,,,, to find:

ffo(pJ)-dS+jw ﬂ-Ver-dS
Qnm Qnm

!
Qnm

(40)

Applying Stokes' theorem to the left-hand side then leads
to:

f(pJ+]wAe) df = —jw ffB -dS.  (41)

nm

NAGEL: FAST FINITE-DIFFERENCE CALCULATION OF EDDY CURRENTS IN THIN METAL SHEETS

Noting the similarity between (24) and (41), we have
only to account for the vector potential field expressed
by A.. This is accomplished by sampling the x- and
y-components of A, along the same staggered grid as J,
and J,,. Assuming constant values throughout each cell,
we quickly find:

+p;1+1 m/;1+1,m nm];lm 1
X +

+px /xn " _px /xn m

+ja)A;+1’m —jwAy™

+jwAy™ —jwAY™ ! = —jwhBy,. (42)

The immediate consequence of accounting for the
eddy fields in A, and A,, is that we have now doubled the
number of unknowns in our linear system. We therefore
need another N,, equations in order to maintain a unique
solution. This is accomplished by expressing the Biot-
Savart law in terms of magnetic vector potential using
[20]:

A,(r) = ﬂ IO
Ir—r|
Splitting the fields into X- and y-components, we may
explicitly write this as:

(43)

J !
A= o (r?ldV (44)
_ 0 Jy(r) '
Ay(r) —E |l‘—l"|dV . (45)

The importance of (44) and (45) is that we can now
derive the necessary information for a unique solution.
Using the finite-difference stencil as a guide, we express
each integral as a finite sum along each grid cell in the
domain. Recalling that each sample in J, and J,, i
represented as a uniform block of length/width 4 and a
thickness L, we write out each vector potential sample
as:

h2L, JLk
avm =5 Z : . (6)
\/(xe —xn)? + (Ve — Yi)?

4k
A;‘m _ ,uoh L, Z Jy .
= [y — %)% + (Ve — Yi)?

A special exceptlon occurs when £ =n and k = m. In
this case, we need to evaluate the full integral,
+Ly/2 +h/2 +h/2

f f J‘ dxdydz
) 2 2
—Ly/2 —h/2 —h/2 Xyt tz

It is unfortunate that the above expression has no closed-
form solution. It can, however, be evaluated numerically
with arbitrary degrees of precision. For this work, we
found that the basic midpoint rule provides reasonable
accuracy in a short amount of time.

With the addition of (44) and (45), we are now ready
to express the complete solution with self-inductance.

(47)

(48)
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Begin by defining the unknown vectors a, and a,, in a
similar vein to u, and u,, such that,
T
a, =[AL,42,.., 47, (49)
4T
a, =[A},42,.,A0]. (50)
This now allows us to simultaneously solve for every
A, and A,, sample alongside the J, and .J,,. Writing out

the complete system of equations, we find a block-matrix
equation with the form of:

|'Cx Cy N, Ny'l u, b
D, D, 0o o ||u]| [0
lo- M, o 1 J]la] lo

where I denotes an identity matrix and 0 indicates a
matrix (or vector) of all zeros. The matrices N, and
N, can be referred to as the vector-potential matrices,
or perhaps the self-inductance matrices, because they
arise from the added self-inductance terms in (42). Like
the curl matrices C, and C,, these matrices are highly
sparse and therefore add little in terms of computational
complexity. The last two matrices, M,, and M,,, are called
the Biot-Savart matrices and express the information
contained by (46) and (47). Unfortunately, these
matrices are completely full and therefore add significant
computational cost to the final inversion. The result,
however, is a complete expression of eddy current
density J along the metal sheet with full account taken
for self-inductance.

An immediate concern with the matrix equation
described by (51) is the presence of four scalar fields that
need to be solved for simultaneously. Fortunately, we are
not really interested in the actual solutions for a, and a,,
and can thus remove them through simple substitution.
The resulting matrix equation is a far more compact
expression given by:

(C, —Dlijx) (c, —Dlijﬂ] [;‘x]=[g]. (52)

A key advantage to (52) is that the system matrix is
entirely geometry-dependent. It therefore need only be
inverted once, and the resulting eddy currents can be
calculated rapidly under any arbitrary forcing function
contained within b. This can be especially useful when
tracking the trajectory of a metal particle as it passes over
an eddy current separator. Each small increment in time
requires a fresh calculation of force and torque due to
changes in B; over position. Fortunately, the system
matrix remains identical with each step and thus does not
require repeated inversions.

X. VALIDATION
To validate the numerical algorithm presented
here, we ran a side-by-side comparison between FDM
and the Computer Simulation Technology (CST) EM
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Studio software suite [21]. The model was comprised
of a rectangular metal sheet defined by the physical
dimensions L, = 2.0cm, L, = 1.0cm,and L, = 0.1cm
with a conductivity of & = 5.0 MS/m. The magnetic field
exciting the sheet was set to a uniform field profile with
amplitude B, = 100 mT at a frequency of f = 10 kHz.

Figure 8 shows the results of the two simulations
when sampled at a grid spacing of h = 0.5 mm. Since
the induced currents are strongly out of phase with the
applied field, the results had to be shifted in phase by 90°
before rendering the real part of J. For a more precise
inspection, Fig. 9 shows both the real and imaginary
components of J,, at ¢ = 0 along a horizontal cut through
the center of the rectangular sheets.
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Fig. 8. Induced eddy currents in a thin metal sheet at
phase angle ¢ = 90°. The top solution was calculated
using FDM and the bottom solution was calculated using
commercial software (CST).
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Results from the comparison show very strong
agreement, thereby validating the finite-difference
approach to eddy current calculations. Any errors in
the FDM calculation are primarily the result of using
rectangular blocks of constant current density to
approximate the true values within. Other errors
also accumulate from imperfections in the numerical
integration used to solve (44) and (45), as well as the
thin-sheet approximation. The key metric of interest,
however, is computational time. Since CST is based on
the A — ¢ formalism, a thin metal sheet had to be placed
within a three-dimensional void of empty space. As a
result, the total number of elements was quite large
(31,031 tetrahedrons), and a typical simulation required
approximately 60 seconds to complete on a standard
laptop computer. In contrast, the FDM model need only
sample the metal sheet in isolation and thus required only
800 divergence cells. Consequently, the total time to
build the system matrix and solve for the current density
was barely 0.5 seconds using standard Matlab sub-
routines.

XI1. DISCUSSION

Although this work has focused exclusively on the
problem of thin metal sheets, there is no reason why it
cannot be expanded out to a complete, three-dimensional
formalism. Such an algorithm would have a distinct
advantage over potential-based formalisms in that the
simulation boundary can terminate at the edge of a body
of interest. The key trade-off, however, is a forfeiture
of the sparse system matrix that must be inverted.
Since every sample in the FDM algorithm is dependent
on every other sample, the resulting system matrix
is necessarily going to be full. This means the
computational complexity is necessarily O(N2®) when
using Gauss-Jordan elimination to invert an N X N
system matrix. In the future, however, it may be possible
to circumvent this limitation through iterative-based
inversion methods rather than direct inversion of the full
matrix.
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Abstract — An analysis of the accuracy of the results
computed using a finite element code in the presence of
axially moving cylinders is presented. It seems that no
result of this type is available in the open literature.

Any material in motion is perceived as a
bianisotropic medium. This generates a scattered field
having two components: one has the same polarization
as the incident field and the other presents the orthogonal
polarization. The results on the accuracy of the co-
polarized field are new but are similar to those obtained
in the presence of motionless media. The outcome on
the accuracy of the results related to the orthogonal
polarization seems to be more interesting, especially for
the information content this component of the field could
provide on the axial velocity profile. In particular, using
a finite element simulator based on double precision
arithmetic, it is shown that the range of axial velocity
values over which it is possible to obtain very accurate
approximations can span nine or even more decades.
This allows the use of the simulator, even when the
more difficult components of the field are required to
be accurate, for a set of applications ranging from
astrophysics to medicine.

Index Terms — Bianisotropic media, electromagnetic
scattering, error analysis, finite element method, moving
media, reconstruction of velocity profiles, time-harmonic
electromagnetic fields.

I. INTRODUCTION

The interaction of electromagnetic waves with
moving bodies plays a role in many applications [1],
[2]. Among these, one can consider many important
applications involving only axially moving cylinders.
In particular, one can refer to axially moving plasma
columns [3], [4], [5], ionized meteor trails [6], jet
exhausts [7] or mass flow in pneumatic pipes [8].

In most cases of interest, which could involve
multiple cylinders having irregular shapes, inhomogeneous
constitutive parameters and non-constant velocity profiles,
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numerical methods are required to try to approximate the
solutions of interest [9].

Notwithstanding the difficulty related to the presence
of materials in motion [1], [10], [11], determining the
appearance of bianisotropic materials in any reference
frame in which the media themselves are not at rest, the
first results related to the well-posedness and the finite
element approximability for these problems have been
deduced [12].

When simulators are exploited, the results related to
the convergence of numerical approximations are not
the only aspects of practical interest. However, error
estimates [13] are important too (particularly, a-priori
error estimations), as clearly pointed out in [14] (p. 114).
These estimations are not available so far, to the best
of authors’ knowledge, for two dimensional problems
involving moving objects. In particular, results are not
available for problems involving axially moving
cylinders, like the ones of interest in this paper.

Then, in order to understand what can be expected
in practice, we have to perform numerical experiments.
Unfortunately, in the presence of axially moving
cylinders, no numerical analysis seems to be available.
This is the reason why, in this paper, we present a lot
of numerical results. They could suggest what can be
expected in other cases and could be considered as
benchmarks for any error estimate the research
community will be able to deduce.

All numerical results which will be presented refer
to a simple problem involving a moving cylinder. For
such a problem an independent truncated-series solution
can be found [4] (see also [15]). In this way, we can
evaluate the accuracy of our finite element approximations
in terms of absolute and relative errors. The effects of all
parameters involved in the definition of the simple
problem of reference are studied.

As it has already been pointed out, in the presence
of a time-harmonic illumination, the axial motion of
cylinders determines, in any reference frame in which
the media are not at rest, a bianisotropic effect and this,
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in turn, is responsible for the presence of a scattered field
having both polarizations: the same as that of the incident
field and the orthogonal one. For the co-polarized
component of the field the outcome is absolutely stable.
The errors for this component are, in particular, almost
independent of the axial velocity and, then, assume
almost the same values we get in the presence of
motionless media. For the cross-polarized scattered wave
the relative errors are very stable, as well, even though it
is a-priori known that the previous results cannot be
duplicated in this case, due to the fact that this component
of the scattered field is known to go uniformly to zero as
the axial speed of the scatterers becomes smaller and
smaller [16]. Anyway, the errors on this component
of the scattered field are indeed stable for a huge range
of axial velocity values. By using double precision
arithmetic this range can span nine or even more
decades, so allowing the use of finite element simulators
for velocities varying from a few centimeters per second
to many thousands of kilometers per second. That means
that the considered finite element method can be reliably
used for a set of applications ranging from astrophysics
to medicine.

In the paper, we examine the behavior of the error
in the co-polarized and cross-polarized components of
the field. The results of numerical experiments indicate
that the co-polarized component follows quadratic
convergence, same as that in the motionless case. On
the other hand, the results show that the cross-polarized
component has linear convergence. However, at low
values of axial speed we expect that the round-off
error becomes more and more significant, degrading
the accuracy of the cross-polarized component. This is
because the co-polarized component remains of the same
order of magnitude while the cross-polarized component
goes to zero with decreasing velocity. When the ratio
of the norm of the cross-polarized component to the
co-polarized component becomes too large, the result
becomes less reliable. Hence, this number can be used as
a general indicator for checking if the results of the
simulation are reliable or not.

The results show, in addition to the previously
mentioned applications, that the indicated simulator can
be exploited as a reliable solver of forward scattering
problems in imaging procedures aiming at the
reconstruction of axial velocity profiles [16], [17] and
this, by the way, was the initial motivation for our study.

The paper is organized as follows. In Section Il the
mathematical formulation of the problems of interest is
recalled together with some of the results available in
the open literature. Some new considerations on the
properties of the finite element matrices in the presence
of moving media are provided in Section Ill. In order
to carry out the error analysis of interest, the definition
of a test case is necessary. This is done in Section IV,
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where, in addition, a complete set of relevant absolute
and relative errors is defined. The main section of the
manuscript, dealing with the error analysis, is Section V.
Finally, before concluding the paper, some considerations
on the convergence of two well-known iterative methods
are provided.

1. MATHEMATICAL FORMULATION OF
THE PROBLEM

The electromagnetic problems of interest in this
paper are those in which axially moving cylinders (having
parallel axes) are illuminated by a time-harmonic source
or field. This class of problems has been studied in [12]
and we refer to that paper for the definition of all details.
Here we recall just the main points to let the readers
understand the developments which will be presented in
the next sections.

All our problems will present a cylindrical geometry
and we denote by z the axis of such a geometry.
The time-harmonic sources and the inhomogeneous
admittance boundary conditions involved are assumed
to be independent of z, too, so that our problems can
be formulated in a two-dimensional domain Q contained
in the (x, y) plane. T denotes the boundary of Q. nand |
are the unit vectors orthogonal (pointing outward) and
tangential to T, respectively. We have n x| = 2.

The media involved in our problems can move in
the axial direction with respect to the chosen reference
frame. In such a frame a velocity field v,, assumed to
be time-invariant, is naturally defined, even though we
will often refer to it in terms of the usual [18] (p. 525)

real-valued normalized field f = Z—z, being c, the speed
0

of light in vacuum. Different linear, time-invariant and
inhomogeneous materials can be modelled in our
problems. Q; will denote the subdomain of Q containing
all media in motion.

Under the indicated conditions all fields in all media
will be time-harmonic, as the considered sources, and a
factor e/*t, common to all fields of interest, is assumed
and suppressed.

Any material involved is isotropic in its rest frame
and is there characterized by its relative permittivity &,.,
its relative permeability u, and its electric conductivity
o. In the following, any reference to &,, u, or ¢ of a
moving medium should be interpreted as a reference to
the corresponding quantity when the medium is at rest.
All moving media will be considered in any case to have
o = 0 (in order to avoid the difficulties related to the
convective currents which could also become surface
electric currents and to avoid difficulty related to the no-
slip condition which, ultimately, prevents the possibility
of using pure two-dimensional models [12]).

By using the subscript “t” to denote the field
guantities transverse to the z direction, the constitutive



relations for the media in motion are [12]:
_1+#r€r_ZIE + ¢

D, = > Z X By, )
CoHolr Collolr
D, = g&Ey, (2)
H, = G g% 2 X E,, 3)
Holr CoHolty
1
H,=—8,, )
“ kol ”
where
1- :ur‘grﬁz
{1 = 1-— ﬁz ) (5)
ﬂ(#rgr B 1)
= 6
{2 1-— ﬁz ( )

In order to be able to define the problems of interest
and to talk of their finite element approximations, it
is necessary to introduce some additional notations.
(12(2))" is the usual Hilbert space of square integrable
vector fields on Q with values in C"*, n = 2,3, and with
scalar product given by (u,v)yq = fnv*u dS, where
v* denotes the conjugate transpose of the column vector
v. For a given three-dimensional complex-valued vector
field A= (A Ay A,) € (L2(2))® we consider the
operators curl, and grad,p, defined according to:
04, 0A,

curl,p A, = oy (7)
04, 94,
grad,p A, = <E W) €))

The transverse parts of the electric and magnetic fields
will be in the Hilbert space:

U, = {At e (12()’| curIZDzAt € 12(Q) } 9
and A; -1 € L*(I")
whose inner product is given by:
(ug, ve)y,, = (Ug, V)oa + (curlypuy, curlypve)g o
+ (ug - Lve - Dor. (10)
The axial components of the same fields are in the
Hilbert space:

H' (@) = {4, € 12(9)| grad,p4, € (12(@)}, (11)
whose inner product is:
(uz' vz)l,ﬂ = (uz' UZ)O,Q + (gradZDuZl gradZsz)O,.Q'
(12)
¥ou, Will denote the boundary values of u, € H1(Q) on
I.

Overall the electric and magnetic fields are in the
Hilbert space:

U = U,, x H1(Q), (13)
with inner product given by:
(ul V)U = (ut' vt)UzD + (uZJ VZ)l,Q' (14)

[l |1y will denote the corresponding norm. The norms of
the different spaces so far introduced will be of particular
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interest in establishing the accuracy of the results of the
finite element simulator considered.

With the indicated notation, the electromagnetic
boundary value problem we consider in this paper is:
given w > 0, the electric and magnetic current densities

Jo Jun € (LZ(Q))S, the boundary data fx,, fr; € L(I),

find (E,B,H,D) € U x (12(2))° x U x (12(2))° which
satisfies:

curl,pH; — jwD, = J,, in Q,
grad,pH, X Z — joD; =],; in Q,
curl,pE; + jwB, = —Jp, in Q,
grad,pE, X Z+ jwB; = =], in Q, (15)
| Ho 1+ Y(oE) = ~fr,  on T,
YoH, —=Y(E; - D) = f on T,

and the constitutive relations (1), (2), (3) and (4).

After some work [12], one can deduce the equivalent
variational formulation: given w > 0, J, Jm € (LZ(Q))S,
frz fri € L2(I), find E € U such that:

a(E,w) =1l(w) VweU,
where a is the following sesquilinear form:

(16)

a(u,w) = (Z—lgradznuz, gradZDWz) +
Hr 0,0

1
+ <— curl,puy, curIZDwt) +
Uy 0.0

L w (G
+j —{—u,, grad,pw, +
CO Uy 0,0

—jg<égrad u w) +
o \Uy 2D%z, Wt 0.0
2

-T2 (gruz: Wz) 0,Q +
Co
_0)_2<1 + Erlly — (1

u, wt) +
cs ’

:u‘r' 0,Q

Hjop(Y (Yous), oWz )or +

Hope(Y(ue - 1), w - 1o, 17
forall u,w € U and [ is the following antilinear form:

l(W) = _ijOUez' WZ)O,Q +

— (ﬁi X Jonts gradZDWZ) +
Ur 0,0

—jwpo(frz YoWz)or +

- (l]mz, curIZDwt) +
HT‘ O,Q
—jouo(Jer Wedoa +
+j£(éix] ) wt) +
CO Hr me 0,Q
—jwpo(fro We - Doyr)
forallw € U.

The reader can notice that, whenever =0
everywhere in Q (which implies ¢, =0 in Q), the
problem splits into two disjoint problems, one for the
axial component E,, the other for the transverse part

(18)
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E.. These two disjoint problems are the traditional, two-
dimensional variational problems, formulated in terms of
E, or E,, in the presence of motionless isotropic media.
In [12] we showed that under some non-restrictive
hypotheses any electromagnetic problem of the class
considered is well posed. In particular, for any problem
of interest we can find a unique solution (E, B, H, D)

belonging to U x (12()° x U x (12(®)°  and

depending continuously on J, J,, € (LZ(Q))3 and on
frzr fri € L*(). It is worth mentioning that, due to
the bianisotropic behaviour of the media in motion,
all unknown fields will have, in general, all three
components, even if the scatterers are illuminated by
simple fields.

Il. FINITE ELEMENT APPROXIMATION
Under some additional assumptions, in [12] we also
found that a finite element method, based on the above
variational formulation and exploiting a first-order
Lagrangian approximation for the axial component and
afirst-order edge element approximation for the transverse

part, determines (Ey, By, Hy, Dy) € Uy, x (12(2)° x
(£2(2))* x (12(2))” which converges, as h goes to zero,

to (E, B, H,D) in U x (12(12))” x (12(2))” x (12(2))".

In the previous statement U, is the finite dimensional
subspace of U generated by the indicated elements (first-
order Lagrangian and first-order edge elements) for a
specific triangulation of Q and h denotes, as usual, the
maximum diameter of all elements of the triangulation
[14] (p. 131).

In [12] no specific considerations related to the
implementation of finite element codes were provided.
These considerations could be useful for our next
developments and, for this reason, we present here the
main points. Suppose that for any mesh adopted, fixing
a given Uy, we order the degrees of freedom by placing
those related to Ej,, [e,] € €™, in the first part of the
vector [e] € C€"™*"¢ of the unknowns while those
related to E,;, [e.] € C™¢, are in its second and last part.
In the previous formulas, nn (respectively, ne) refers to
the number of nodes (respectively, edges) of the mesh
considered. With this convention, by firstly considering
the nn test functions like w,, = (0,0, wy,,) and, then, the
ne test functions like w;, = wy,, one can easily deduce
that the general form of the final matrix equation
obtained from (16), (17) and (18), with E, u, w and U
replaced, respectively, by E;,, u,, wy, and Uy, is:

[Alle] = [1], (19)
where the entries of [I] € C"™*™¢ are given by I(wy),
for all test functions considered. The order for its entries
is given by the order considered for the test functions
and, in analogy to the decomposition of [e] in terms of
[e,] and [e.], we get [I,] € C™, in the first part of [I]
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and [l;] € C™¢ in the second and last one. [A] is given
by:

[Az] [Azt]]

A =[ . 20
=1l 4 @0
In this formula, [4,,], [4,:], [A:2] and [A..] are complex
matrices whose entries are deduced directly from (17):

G
[Azz]ij = <_grad2Dthj' gradZDthi) +
Ur 0,0

0)2

- g (Srwhzj' WhZi)O,ﬂ +

+jwu0(Y(Vothj)'VOWhZi)o,F‘

i,j€1,..,nn, (21)
LW (0
[Azt]ij =] —\7Wn» grad,pWhp; )
CO Uy 0,0
i€l,.., nn, jE1,.., ne, (22)
LW (G,
[Atz]ij = —]_(— gradZDthj'Whti) ’
CO Ur 0,Q
i €1,..,ne, jE1,..,nn, (23)
1
[Aeelij = (— curlyp Wy, curl,p Wy, ) +
MT O’Q
fﬁ(%w W)+
Cg 1Ly htj» YWhti 0.0
+ jopo (Y (Wnej - 1), Wiy -1 )o,r
i,j €1,..,ne. (24)

In this case, too, whenever 8 = 0 everywhere in (,
the two matrices [A,;] and [A.,] become trivial and the
discrete problem splits into two disjoint parts: one for
[e,]. the other for [e.]. These are the classical two-
dimensional problems for TM and TE polarized fields,
respectively, in the presence of motionless media.

It is important to note that the second and third
addends in the right-hand side of (21) are independent
of B. The same is true for the first and third addends in
the right-hand side of (24). Taking account of (6) one
easily deduces that, for small values of the maximum of
IBl, ¢ = B(ure — 1) and all entries of [A,;] and [A.,]
have magnitudes which are smaller or equal to numbers
proportional to the maximum of |B|, under the same
conditions. Finally, the addends of the right-hand sides
of (21) and (24) which depend on g, again for small values
of the maximum of |8|, involve {; = 1 + (1 — p,&,.)p?
and 1+ e.pu.— ¢ = et — (1 — ppg,)B% Thus, the
considered quantities are only slightly affected by the
motion, if the maximum of |g] is small.

In order to solve the algebraic linear system (19)
several algorithms can be adopted. Among these, we
consider iterative solvers, which are very popular for
the solution of linear systems arising in finite element
simulations [19] (pp. 382, 383, 396-405), [20] (p. 334).
The stopping criteria we adopt in all cases, which defines
when the iterative solution has reached convergence, is
“criterion 2” of [21] (p. 60). For the reader convenience



we recall that this criterion requires at the beginning
the calculation of the Euclidean norm ||[{]|| of [I]. At
iteration i the approximate solution [e]; determines an
error |[[A]le]; — [!]|]. The iterative process is stopped
when the condition |[[A][e]; — [1]]| < &]I[L]]] is satisfied,
where § is the so-called residual. Usually, § is a small
value in the range [10712,10~°] when double precision
arithmetic is used [21] (pp. 58-60).

If we assume TM polarized plane wave as the
incident wave, then as the maximum value of || goes
to zero, the Euclidean norm of components of [e,] goes
to zero whereas that of components of [e,] goes to
the non-zero value of the corresponding motionless
problem. Hence the loss of number of significant digits
due to round-off errors becomes large for the transverse
components. Since for low values of | 3], ||[e;]]| becomes
proportional to |8] and ||[e,]]] remains almost constant,

the ratio ::E:: becomes proportional to |B| as well. We
Z.

[1ALe]ll
t [Ie]ll
in the solution due to round-off, K, the condition number

of matrix [A]. Aroundors = (|:|A[Z]|:| |:|A[£;]|:| + &), where

A[A] and A[l] denote change in [A] and [] due to round-
off. Now assuming that the round-off errors are uniformly
distributed across the elements of [e], it is easy to deduce

lIA[ec]l] _ nn+ne |i[e]]]
that K,A . At low values
lleelll = ne |llegl|| A-Toundoff

of |B] we can consider ||[e]]| = ||[e,]I| and that
Aroundaoss = 6. Thus we can write:
A + -
1 [et]IISnn ne ||[e]l| 25)
[1lell ne |lle]ll

Thus, it can be seen that the residual error on the

transverse component can be magnified by a factor of

nvtne lllealll g for small || values. If the maximum
ne ||[ec]ll

allowable error is &,,,,, then it needs to be ensured that
nn+ne ||[e]l| Smax

ne |lleelll = Kaé'

know tha < K4Drounaors- Here Ale] is the error

KA6.

IV. DEFINITION OF A TEST CASE AND OF
THE RELEVANT ERRORS

In order to deduce some results on the accuracy of
finite element solutions in the presence of axially moving
cylinders we need to consider simple problems which
allow the calculation of the fields of interest with other
reliable tools. For this reason, we consider single
canonical cylinders moving in the axial direction.
Analogous studies have been performed under the
same type of simplifying assumptions related to the
inhomogeneity of the media involved, the particular
shapes of the scatterers or the illuminating field (see,
for example, [20] (p. 188) or [22]). For this reason, we
consider the case of a circular cylinder hosted in vacuum
and illuminated by a uniform plane wave. In particular,
the cylinder axis is assumed to be the z axis and the
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cylinder cross-section will have a radius R < 0.2 m.
The medium inside the cylinder is assumed to be
homogeneous and, in its rest frame, isotropic and not
dispersive. It will be characterized by u, = 1. We
assume that such a medium is in uniform motion along
the z axis. Finally, we will consider a TM-polarized
incident plane wave impinging orthogonally on the
cylinder and defined by En¢ = E,e/2"/Vkooy | £ being
the frequency always equal to 1 GHz except for one
case when f = 500 MHz will be considered. The choice
of the simple canonical problem just described was
motivated not only by the possibility of finding semi-
analytical solutions by using other tools, but also by the
possible application of this study to the reconstruction
of B profiles, as it will be explained later on. In the
following we will consider several different values for
the normalized axial speed B of the cylinder, for its
relative permittivity &, (in its rest frame) and for its
radius R.

For problems of this class an efficient semi-analytical
procedure, able to compute very good approximations
of their solutions was proposed by Yeh [4] (see also
Remark 5 of [15]).

The scattering problems just defined are numerically
studied by using a finite element simulator based on
the considerations reported in the previous section. The
domain of numerical investigation we have adopted is,
in any case, a polygon approximating a circle in the
(x,y) plane, whose center is at the origin and whose
radius is equal to 0.4 m. Such a numerical domain is
discretized by using several meshes. In particular, all
these meshes are obtained by using n concentric circles
and, starting from the center, the innermost circle is
divided into 6 segments, the next one in 12 and so on.
The domain is thus divided almost uniformly into 6n?
triangles, with 1 + 3n + 3n? nodes, 3n + 9n? edges and
6n boundary edges. An example of one mesh of this type
can be found in Fig. 1 of [22] (the reader has to consider
just the upper base of the three-dimensional cylinder
shown in that figure). In the following n will be equal
to 20, 40, 80, 120, 160 or 200. Correspondingly, we
will get a mesh characterized, respectively, by h equal
to 0.0285874, 0.0143858, 0.00721629, 0.00481608,
0.00361402 or 0.00289216 m, with, respectively, 1261,
4921, 19441, 43561, 77281, 120601 nodes, 2400, 9600,
38400, 86400, 153600, 240000 elements, 3660, 14520,
57840, 129960, 230880, 360600 edges, and 120, 240,
480, 720, 960, 1200 boundary edges. All the indicated
values of n can be used to discretize scatterers whose
radius R is a multiple of 2 cm (respectively, 1 cm if we
avoid using n = 20).

It is very important to point out that, in order to
keep the analysis as simple as possible, we avoided
considering meshes made up of curved triangles. This
means, in particular, that, since the scatterer cross-
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section is not a polygon, in all our simulations we suffer
from a kind of non-conformity [14] (p. 209). As a matter
of fact, the scatterer has not the shape of the numerical
scatterer and, moreover, the domain of numerical
investigation and the numerical scatterer itself change
their shapes for different values of n. By the same token,
we adopted the semi-analytical procedure defined by
Yeh [4] (the series are truncated after the first 60 terms
for these calculations) to compute the piecewise constant
data fr,n, and fg;, enforcing the inhomogeneous terms in
the admittance boundary conditions considered on T for
the discretized problem (the admittance Y is setto Y, =

\/3—0 in any case). In this way, we get another violation of
0

conformity, according to [14] (p. 183). The reader should
note that these violations of conformity were not
considered in [12] and formally the convergence results
we deduced there could not be applied. In the following,
however, according to a well-established approach, we
neglect this technical problem and assume that our
convergence results do apply to the cases considered.
The numerical results we will show provide a heuristic
proof of this statement.

An evaluation of the numerical errors of the finite
element solutions could now be performed. However,
we introduce an additional simplification which allows
us to find good estimates of the errors by exploiting
finite element calculations. In particular, we will call
E; nanaiytic and Hy p anaiyeic the first-order Lagrangian
element expansions which are deduced by evaluating
their degrees of freedom with the semi-analytical
procedure proposed by Yeh [4]. Analogously,
E¢ nanaytic Will refer to the first-order edge element
expansion which is deduced by evaluating its degrees of
freedom with Yeh’s procedure. In the above three
calculations the series involved in Yeh’s procedure are
truncated after the first 40 terms. The reader should
observe that H,j, gnaiytic 1S Not related to E;p gnaiytic
by the usual Maxwell’s curl equation (while H,, is,

by definition, equal to — ! curl,pEp,; see equation

oHr

(3.3) and the considerations below Theorem 5.3 at the
end of Section 5 of [12]). As a matter of fact, it is very
well known that the curl of a first-order edge element
field is piecewise constant while H,p qnaiytic 1S, as it
has already been pointed out, a first-order Lagrangian
element field. The decision to consider Hy j gnq1ytic and
E¢ hanaiytic not related by the usual Maxwell’s curl
equation was made for the possible application of our
results to inverse problem techniques aiming at the
reconstruction of 8 profile, as it will be further clarified
later on.

The previous definitions allow us to introduce a set
of (estimates of) absolute errors on E,, E; and H, by

ACES JOURNAL, Vol. 33, No. 6, June 2018

using different relevant norms or semi-norms. Thus we
have:

ezai2 = |l Eznanaiytic = Enz 1o (26)

ezan = |l E, hanatytic — Enz 1,0 (27)

€sasemi = || gradZDEz,h,analytic —gradypEp; |loq (28)

eraiz = |l E¢ nanatytic — Ent [o,0/ (29)

€tar = ”(Et,h,analytic - Eht) “Hlo,r (30)

eanz = || Hznanatytic = Hrz lloa- (31)

In the presence of a constant relative permeability e, p,

can be considered as an estimate ofﬁoﬂr et semi» Where,

erasemi = |1CUrlapEe panaiyeic — curlapEpe 0,0, (32)
so that we can also consider:

€tau2p = Jetz,a,lz + etz,a,l" + etz,a,semi' (33)

as an estimate of the U, norm error.

Relative errors are important, too, especially for the
problems of interest, due to the huge variation of some
of the quantities involved. For this reason, we consider
the following relative errors: e, .12, €zrn1y €zr.semis
erri2: eerr and e, p,, Which are defined by dividing
the corresponding absolute error by the norm of the
“analytic” part involved in the definition of the absolute
error itself. Once more, under the indicated condition,
ez Can be considered as an estimate of e, ;. som;-

For the TM-polarized incident field considered, it is
important to emphasize that, for a motionless cylinder,
the solution presents E, = 0. Moreover, for small values
of |B] it is known that ||E;||y.p is small [16]. Thus, all
relative errors related to the transverse part of the electric
field (that is, e, 12, €¢ 1y €rnzs €1y sem:) @r€ €Xpected to
become larger and larger as |3| goes to zero. At the same
time, it could be important to analyze the behaviours of
these errors, especially under the indicated conditions,
because, on the one hand, good electromagnetic
imagining techniques, able to recover the profile of the
axial speed, exploits only, for the indicated incident

polarization, data related to H, = ﬁ curl,pE; [16]. On
0

the other hand, the finite element method we are studying
can be exploited to provide approximate values of H, at
the measurement points for any trial solution for the g
profile considered by the inverse procedure itself [16].

For this reason, in the next section, a part of our
numerical analysis will be devoted to considerations
related to the reliability of finite element solutions in
terms of H, and, in particular, of e, ,,, and e, . This part
of the analysis was, actually, the initial motivation for
this study.

Remark 1: In many applications the reconstruction
of the profiles of ¢, and B are of interest [8]. For the
indicated polarization of the incident field, the axial



component of the electric field is the most important
quantity for the reconstruction of &, while the axial
component of the magnetic field is crucial for the
reconstruction of 8 [16]. In particular, under some non-
restrictive hypotheses, the reconstruction of ¢, can be
carried out neglecting any movement and by using data
related to E, only. The estimated &,. is then adopted as an
input data for the reconstruction of the axial speed
profile. For the indicated reasons, a finite element code
based on a formulation expressed in terms of E was
considered. In our previous considerations we focused
in particular on the generation of reliable data for the
second step of the reconstruction process, devoted to
the estimate of the B profile, simply because the
reconstruction algorithms adopted for determining &,
have been studied for decades [23] while those adopted
to recover B are not so standard in the framework of
microwave imaging techniques.

Remark 2: e, ,, could also be referred to a proper
subdomain Q,, of Q. We could use e, p,q, as an
alternative symbol in this case. The subdomain can also
be of zero measure (e.g., made up of curves or points)
because the involved quantities (H,p qnaiytic and Hp,)
are continuous in Q. However, in this case we have to
change the norm in the definition of the error (the L?(€)
norm is not meaningful anymore).

The results provided in [12] can be applied to the
problems here considered if some conditions involving
& and B are satisfied (see, in particular, Section 7 of
[12]). In particular, in order to show some examples, we
can say that in the presence of a cylinder having &, = 2
the problem is well-posed and the convergence of finite
element approximations is guaranteed (neglecting the
conformity violations already pointed out) whenever
[B] < 0.264308. For other cylinder media, for example
when &, = 1.1 or g, = 8, the upper bounds for |B]| are
0.777053 or 0.0826784, respectively. The reader should
notice that the corresponding upper bounds for the
axial speed values are really impressive (equal to =
232954629 m/s when &, = 1.1, = 79237545 m/s when
&, = 2.0 and = 24786361 m/s when ¢, = 8.0) and that
they are not much smaller than the values of the
normalized speed of light in the media considered

. 1 1 1
(glven by e 0.953463, B 0.707107 and T~
0.353355, respectively).

V. NUMERICAL RESULTS

As was already pointed out, for the defined test case
we consider several values of €,, 8, R and n. The effects
of these parameters on the errors related to E,, E, and H,
are studied. In particular, the results related to E, are
shown in the first subsection while in the second one we
provide considerations on the errors on E; and H,. From
these two sub-sections we establish accuracy of the
numerical simulations and the convergence behaviour of
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the components. In the third subsection, we consider the
problematic cases where accuracy of the results related
to E; and H, start dropping. This is due to the finite
precision of the calculations which start to accumulate
round-off errors when the bi-anisotropic effect is too
weak to give a significant cross-polarized component.

A. Numerical results related to E,

The first results on E, we show are all related to
cases involving cylinders characterized by . = 2 and
R = 0.2 m. In particular, in Fig. 1 we report the absolute
errors related to the axial component of the electric field,
€zan1 €za12 AN €, 4 sem;, VErsus h for two values of §:
B =0and B = 0.25. As the reader can easily check, it
is not possible to distinguish the results of the 8 =0
case from those obtained when g = 0.25. Many other
simulations have been performed, forg =5 10™™,m =
1, ...,15. These additional results are not reported in Fig.
1 because the plots would be the same as those already
shown. In the figure two plots proportional to h and h?
are provided, too, in order to be able to determine the rate
of convergence of the results as functions of h.

As it was pointed out in Section Il the results for
the B = 0 case can be obtained by using a traditional
two-dimensional finite element algorithm based on first-
order Lagrangian elements (dealing with isotropic media
at rest). There is nothing new in the results shown for
this case, as it is very well-known [19]; we can simply
observe that the absolute errors related to E, behave like
h? and that e, qsem; IS Much larger than e,q;, SO
determining almost completely e, ; 1.

e,=20,R=02m

101
100 |
101 | = ]
02 | e —
€zah1. B =00
.30 [F T €zah1. B =025
103 | €,a12, B=0.0
- €212, B=025 o
€za.semis B = 0.
104 i i i €zasemi: B =0.25
2.0 1073 40 1073 80 1073 1.6 1072
h [m]

Fig. 1. Behaviour of e, ; 1, €,4,12 aNd €, 4 semi VEISUS
h, when the cylinder is at rest or moves with g = 0.25.
The cylinder is assumed to have R = 0.2 m and to be
made up of a material having &, = 2 at rest. Two plots
proportional to h and h%are provided, too.

The results corresponding to § = 0.25 (determining
a huge axial speed of 74948114.5 m/s) show that the
finite element capability of approximating the axial
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component of the true solution is the same as in the case
all media are at rest. In particular, the convergence rate
remains quadratic and, taking account of all simulations
performed, we can say that this property is completely
independent of 8. For the same reason, no figure related
to the relative errors on E, is provided.

It could be interesting to observe that § = 0.25 is
close to the upper bound for g reported in Section IV
and has a significant effect on E,. These effects are not
shown in a figure for space reasons. We simply observe
that, for example, Re(E;,) = —0.0549 V/m at the origin
in the B = 0 case while Re(Ej,) = —0.132 V/m at the
same point when 8 = 0.25. Both values are obtained by
using a mesh with n = 320.

R=0.2m
100
101 |
102 | =
| = esn B=00, 8,211 ——
103 | ¥ €yrhys B=0.75,8,=11
. €,n1,B=00,¢=80 —
i e,n1s B=008, ¢, =80
- 600 h?
10 -4 | i 3h
2.0 1073 40 1073 80 1073 16 1072
h [m]

Fig. 2. Behaviour of e, », versus h for different values
of B and &,. In particular, for any value of &, one of
the largest possible normalized axial speed values is
considered in addition, for both cases, to § = 0. The
scatterer radius is R = 0.2 m.

The previous considerations on the independence of
the accuracy of the E, results from the value of g seem
to be correct even when the other parameters are changed.
For example, if we consider €. = 1.1 or &. = 8 we get
the relative errors shown in Fig. 2. The reader can easily
observe that the error behaviour in both cases does not
depend on B and that the convergence rate remains
0(h?). However, for any given mesh, the relative errors
on E, are larger for &, = 8 than for ¢, = 1.1, due to the
reduction of the wavelength in the scatterer by a factor
approximately equal to 2+/2. This effect is very well
known and does not require any additional comment
[19], [20] (p. 344).

Changes on R are considered, too, but the conclusion
for the errors on E, remains unaltered. When &, = 2 and
R =0.02 m we get, by using a mesh with n = 320,
e,rn1 = 0269 107%ifg =0ande,, 5, = 0.270 1073
if §=0.25. The corresponding quantities obtained
when g, = 2 and R = 0.2 m (with the same mesh) are

ACES JOURNAL, Vol. 33, No. 6, June 2018

esrn1 = 0557 1073 if g =0ande,,,; = 0.563 1073
if 3 = 0.25.

Overall we can say that the finite element
approximation of E,, in the presence of axially moving
cylinders illuminated by TM-polarized incident plane
waves, is as satisfactory as in the presence of motionless
scatterers, independently of all values of the parameters
considered.

B. Numerical results related to E, and H,

In this sub-section we examine the errors related
to the cross-polarized component E; and the related
magnetic field component H,. These quantities are zero
in the motionless case, and arises because of the bi-
anisotropic effect due to motion. The convergence of
these components are examined and the accuracy of the
simulation is established for a large range of parameters
like B8, &, and R of the scatterer.

g, =20
100
o
101 L = A/ﬁr*i
& s
o = = >
2 . s
2 o 6h ——
10 =5 < it 600h2 ——
8 €tasemis B=0.25
C*easemi» B=5.010 5
1000C*e 5z semi> B = 5.0 1079
€ta2, B=025 o
103 | etar. B=025
€tauzd. B=025 &

30 1073
h [m]

Fig. 3. Behaviour of e, ;.24, €ra12: €car ANd € g semi
versus h, when the cylinder moves with 8 = 0.25. Plots
proportional to e; 4 serm; is also reported for f = 5107™,
m=6,9. C =5107. The cylinder is assumed to have
R =0.2 m and to be made up of a material having
g, = 2 at rest. Two plots proportional to h and h? are
provided, too.

In Fig. 3 some results related to the absolute errors
on E; are shown. The case § = 0 is not meaningful for
the present analysis because, for the test case considered,
the solution has E, = 0 in Q and the finite element
method is able to compute E;; = 0 in Q for any mesh
considered. For this reason, the results refer to cases in
which 8 # 0. A complete set of results is shown for § =
0.25. One can observe that e; ; som; 1S much larger than
erarz and e SO that ey g 12q = € g semi- MoOreover, it
can be observed that the convergence rate is O (h) for all
errors considered. The values of e, 4 som; for m = 6 and
m = 9 are also shown in the figure. Over this large range
of B, the convergence behaviour is not affected.



Now we verify what happens when the cylinder
is made up of other materials. As in the previous
subsection, we will consider €, = 1.1 and &, = 8 along
with &, = 2. Figure 4 shows the relative error in H, for
these cases. The results are analogous to Fig. 2 except
for the slower rate of convergence. Again, an increase in
&, results in an increase in discretization error, due to the
reduction in wavelength. The errors remain largely
independent of B over a wide range, with 8 which could
beaslowas5 107°.

R=0.2m
101

ez =075 g,=11 ——
e B=50100,g,=11

€. B=025 g,=20
iy B=50107; €,220

e.nz, B=008, £,=80 3
ez,$=50100,¢,=80 o

100 L

30 1072
h [m]

Fig. 4. Behaviour of e, ,, versus h for different values
of g and ¢,. In particular, e, =1.1,¢&, =2 and &, = 8
are considered. In each case a value close to the upper
bound of g is taken along with 8 = 510~°. Two plots
proportional to h and h2are provided, too.

Finally, we study the effect of changing the radius
of the scatterer. Along with the R = 0.2 m considered for
the previous instances, R = 0.1 mand R = 0.05 m were
examined. It is not appropriate to consider too small
values of R. This is because of the non-conformity due
to polygonal approximation of the circular boundary of
the scatterer, as was explained in section IV. Instead
the frequency is reduced so that the ratio of R to the
wavelength reduces, which is expected to give an
equivalent effect on discretization error. Hence, we study
f =500 MHz in addition to f =1 GHz considered
in the preceding cases. The discretization error is not
affected much by the reduction in radius of the scatter.
With n =120 and f =1 GHz, for § < 51071 the
relative errors remain below 4% for all variations of
R considered. As for the effect of reducing f, the
discretization error drops below 2% which is expected
from the increase in wavelength.

The results in this subsection and the last one show
as expected [12], that the finite element approximation
is converging to the true solution (notwithstanding the
two violations of conformity pointed out in Section
IV). However, the results related to E, and H, do start
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becoming worse due to round-off errors when the
magnitude of these quantities become small. We consider
such cases in the next section.

C. Problematic results related to E, and H,

In this subsection, we consider the cases when
the round-off error becomes significant. As indicated
by Equation (25), when the cross-polarized component
becomes too low, the round-off error becomes more and
more significant. Although we get good accuracy for the
co-polarized component, the cross-polarized component
could be unreliable. This could be the case with very low
values of B, &, or R. Hence, in these critical cases, one
needs to be careful with the simulations.

In Fig. 5 the relative errors pertaining to H, are
shown with respect to h for small 8 values with m =
10, ...,15. For sufficiently small values of h, although
the errors remain less than 10% up to m = 12, they start
increasing for finer discretizations. The results become
completely unreliable for smaller values of . A finer
discretization need not produce a decrease in the error
in these critical cases, since the increase of round-off
error is dominating over the reduction in discretization
error. These results suggest that one should be careful in
dealing with these delicate cases. One may have to make
use of higher precision calculations to accurately solve
these problems.

In Fig. 6 we examine the effect of different
permittivity values along with small 8. Again &, = 1.1
and g, = 8.0 are taken and we consider m = 10,11, 12.
The trend remains similar to that for &, = 2.0 in Fig. 5.
For &, = 8.0, the errors start off large, due to higher
discretization error, and goes on becoming worse due
to round-off. For &. = 1.1, the discretization error is
smaller than that for &, = 2.0. But once the round-off
error becomes significant it can increase very quickly.

&,=20,R=02m
102

ez B=50100 —~
ez, B=50101

e nz, B=501012

/ e/, B=501013

101 |/ : ez, B=501014
4 \ e/, B=50101 —

100 |

101 L

30 1072
h [m]

Fig. 5. Behaviour of e, ,, versus h, when the cylinder
moves with § = 5107, m = 10, ..., 15. The cylinder
is assumed to have R = 0.2 m and to be made up of a
material having &, = 2 at rest.
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In Fig. 7 the relative error on H, is plotted against
B values. Three different values are considered for the
radius of scatterer,R = 0.2,R = 0.1and R = 0.05 meters.
The calculations are done for two frequency values
f =1GHzand f = 500 MHz. The bi-anisotropic effect
reduces as the scatterer becomes smaller, which might
result in a higher round-off error. This could explain
why the error starts increasing at m = 11 in the case of
f = 1 GHz whereas for all other cases the error is stable
tillm = 12.

R=0.2m
101!
@iz, B=501010 ¢ =11 ——
€ i P=50101e; =11 ——
ez, B=501012 ¢, =11
ehz» B=501010 ¢ =80
ez B=5010"1 ¢ =80 //"
100 L €z B=5010"12 ¢ =80 —s— e
,’a////
S /’//'
L =
101 | e
: /‘ .
\
10-2 |
30 103 30 102
h [m]

Fig. 6. Behaviour of e, ,, versus h for different values
of B and .. We consider ¢, = 1.1 and ¢, = 8.0 with
B =510""and m = 10,11, 12.

£,=20,n=120
100 - .
ez R=02m f=1GHz ——
ez, R=01mf=1GHz ——
€rpz. R=0.05m, f=1GHz
erpz.R=0.2m, =500 MHz —s—
€. R =0.1m, f = 500 MHz
ol €pz.R=0.05m, f=500 MHz —s—
Mo S
102 = = p
10-3 H i i
50 10713 50 1012 50 101 50 10710 50 10°°

B

Fig. 7. Behaviour of e, ,, versus  for different values
of the scatterer radius R and of the frequency f. The
values of 8 which are particularly critical for e, , are
considered. The cylinder is assumed to be made up of a
material having &, = 2 at rest. The numerical solutions
are computed by using a mesh with n = 120.

In Fig. 8 we plot the values of Z22¢ Mezlll yyorgs .
ne ||[ec]ll

As long as the computation of [e,] is reasonably accurate,

the value of ™tne el
[lee]ll

is as expected proportional to
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B~L. For the problem considered here the constant of
proportionality is close to 2 in case of e, = 8and g, = 2
and close to 20 for &, = 1.1. Thus the margin for error
steadily decreases in accordance with Equation (25) as 8
decreases below 5 10~ which corroborates the observed
results.

The results in this subsection suggests that one must
be careful with simulations involving weak bianisotropic
effects. One needs to keep in mind the possible
corruption of the results due to round-off errors. It may
be required to use higher precision calculations to get
reliable results in such instances. If one has a good
estimate of the condition number, then it is possible to
gauge the reliability of the result in terms of round-off
error as indicated by Equation (25). However, the results
that are obtained for the test case considered here
reassure that one can obtain reliable solutions for a very
wide span of parameters.

R=0.2m
1015 . ,
€,=1.1,n =120 ——
S €=20,n=120 —a—
1014 e T £,=2.0, n = 200
- — €,=8.0,n =120
=3 o
1018 ¢ R
1012 t
108 L
1010 [
109
108

50 105 50 10 50 1013 50 1012 50 10% 50 100 50 109
B

nn+ne ||[eg]l|

Fig. 8. Values of
g. 8. Values o ne |l[e]ll

values of ¢, and n. We consider n = 120 with g, = 1.1,
&, = 2 and g, = 8. In addition, the value corresponding
to n = 200 with g, = 2 is also shown. A plot of g1
provided too.

versus B for different

V1. ISSUES RELATED TO NUMERICAL
SOLUTION PROCEDURE

As it was already pointed out, iterative methods are
very often exploited to compute the solution of the
algebraic linear systems determined by electromagnetic
finite element codes [19] (pp. 382, 383, 396-405). In
particular, the BiCG (biconjugate gradient method) [19]
(pp. 396-405) is known to be particularly efficient for
time-harmonic electromagnetic problems [24] (p. 308)
involving only traditional media. However, we observed
that in our case, this method fails to converge for values
of B which are not very small. This is because the
structure of the matrix [A] is altered, since its submatrices
[4,:] and [A;,] become more significant for higher g
values. We may use some alternative iterative methods



in such cases [21], [25]. In particular, CGNE (Conjugate
gradient on normal equation) is a simple alternative.
However, the condition number is squared in this case
resulting in slower convergence and worse round-off
errors. Use of preconditioner can help improve the
condition number of the system both when BiCG and
CGNE are used. Simple Jacobi preconditioner was
used for this purpose in the present work and the
corresponding methods are denoted as BiCGJP and
CGNEJP.

All the results shown in Section V were calculated
by using BiCG, BiCGJP, CGNE or CGNEJP. We give a
brief discussion of their performance here. If the algebraic
linear system to be solved is [A][e] = [I], as reported
in Section 111, we initially calculate the euclidean norm
[I[Z]]] of [I] and do not stop the iterative solver until
the approximate solution [e]; at iteration i satisfies
[|[A]le]; — [L1] < &11[L]1], with & always equal to 1077,
p € {10, ...,16}. One should avoid using larger values
of p when double-precision arithmetic is used [21] (p.
58). In order to avoid presenting unreliable results we
computed them at least twice, for two consecutive values
of p. When the outcomes were different we considered
the next larger value of p and did not stop this process
until, for two consecutive values of p, we got the same
result (with a tolerance equal to 0.1%).

Independently of the reliability of the outcome, we
find that the BiCGJP is able to compute the solutions for
all values of 8 and p considered and all n < 80. For finer
meshes the convergence of biconjugate iterative solvers
is not guaranteed anymore. Consider, for example, some
data for the test cases with e, = 2, R =0.2mand f =1
GHz. When n = 120, BiCGJP does not converge for
B =510"5 (for this specific example the smallest
residual value seems to be =~ 0.26 which is by far too
large to stop the iterations). BiCG fails to converge, with
the same n, for § > 5 10~3 (the smallest residual value
is = 0.026). For a mesh obtained by using n = 160
BiCG (respectively, BiCGJP) does not converge for g >
51077 (respectively, f > 5107%). When g =5107"
the smallest residual value is =~ 3.2 1077 (respectively,
~ 0.28 for g = 51075). For the same mesh, by using
p = 13, BIiCGJP converges in 20214 steps (with the
indicated mesh we have 308161 unknowns) for g =
51077and in 242643 steps for § =5107%. Finally,
when n = 200 we have 481201 unknowns and BiCGJP
and BiCG fail to converge for f > 51077, reaching a
minimum residual value, for § = 51077, of 0.45 1075
and, respectively, 0.5. For this mesh, BiCGJP converges
in 22956, 20001, 17834 and 13415 steps for § = 5 10~™,
with m respectively equal to 8, 9, 10, 11 for p = 15. It
is also interesting to point out that it converges in 3556
steps for § = 0 (and p = 15 as before).

From the previous considerations, one can also
understand that most of our results were calculated
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by using CGNE or CGNEJP. The convergence of this
type of algebraic solver, however, is by far too slow,
independently of the use of the preconditioner. Even
though this is not a surprise [24] (p. 308), [21] (p. 18), it
is instructive to report some data. For example, CGNE,
for p =15 and n = 200, requires 536957 steps to
converge for § = 5 107° and 710410 steps for § = 0.25
(6, =2, R=0.2m, f =1 GHz). The results are not
much better when the point Jacobi preconditioner is
used. For example, with the usual values of ¢,, R and
f, for n =120 and B = 0.25 CGNEJP converges in
220942 steps (173521 unknowns) while CGNE does the
same requiring 233866 steps (p = 13 in both cases). In
terms of CPU time the difference is even lower (equal,
more or less, to 4% on the same computer).

Thus, for small values of g BiCG and BiCGJP are
suitable for giving fast convergence and lower round-off
errors compared to CGNE and CGNEJP. The methods
break down for larger values of § and we can use CGNE
or CGNEJP which converge but at a much slower rate.

VII. CONCLUSIONS

The accuracy of finite element results in the
presence of axially moving cylinders is analyzed for the
first time, to the best of authors’ knowledge.

The study refers to relative and absolute errors
related to two components of the electromagnetic field.
The part of the results presented concerning one of the
two components is new but the outcome is analogous
to the one which is obtained when all media involved
are motionless. The second part is related to the field
component which is specifically excited by the presence
of moving objects. This field component is the most
difficult to be approximated. For its information content
related to the motion of the objects, it could also be the
most important component to be evaluated, at least for
some applications.

This study has shown that finite element simulators
based on double precision arithmetic could guarantee
extraordinary reliability of all their outcomes. These
performances suggest that the indicated simulators can
be exploited and could become the reference method
for astrophysics, engineering and medical applications
involving media in motion.
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Abstract — The discontinuous Galerkin finite-element
time-domain (DG-FETD) method with the ability to
deal with unstructured meshes is well suited to analyze
the multiscale system. However the DG-FETD method
with explicit integration schemes is constrained by
stability conditions that can be very restrictive upon
highly fine meshes. The hybrid implicit-explicit Crank-
Nicolson (CN) leapfrog scheme is effective in solving
this problem; but because of using CN scheme, the
inversion of a large sparse matrix must be calculated at
each time step in the fine regions. The hybrid implicit—
explicit iterative CN leapfrog scheme is introduced to
improve the computational efficiency which can form a
block diagonal matrix. The leapfrog scheme is employed
for electrically coarse regions and iterative CN scheme
for electrically fine ones. The numerical examples have
demonstrated the validity and efficiency of the method.

Index Terms — Crank-Nicolson, discontinuous Galerkin
finite-element time-domain method, multi-scale.

L. INTRODUCTION

When handling the multiscale electromagnetic
simulations in transient electromagnetic analysis, such
as electromagnetic interference and electromagnetic
compatibility problems, traditional methods face great
challenges because of small size meshes in the fine
regions. The finite-element time-domain (FETD) method
is widely used because of its flexibility in geometric
modeling, but it must calculate a large sparse matrix
inversion at each time step [1]. Then the discontinuous
Galerkin method has been proposed and combined
with the FETD method called discontinuous Galerkin
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finite-element time-domain (DG-FETD) method [2]-[4];
Numerical fluxes are introduced to impose the tangential
continuity of the electrical and magnetic fields at the
interfaces between adjacent elements. Central flux [5,
6] and upwind flux [7, 8] are the commonly used ways.
The explicit leapfrog scheme for DG-FETD method can
make the mass matrix block-diagonal and it is convenient
for matrix inversion and parallel computing rather than
solve a huge matrix system as conventional FETD
method [9-12]. But the size of the time step of the
explicit leapfrog DG-FETD is limited by the spatial
discretization of the simulation domain according to
the CFL condition which will lead to produce a large
number of simulation steps and reduce the computation
efficiency. Generally, a discretized multiscale system
usually contains both electrically coarse meshes and
fine meshes. Because of the constraint of Courant-
Friedrichs-Levy (CFL) stability condition [13], the time
step increments for electrically fine meshes may be much
less than those for electrically coarse meshes when the
explicit leapfrog time integration scheme is employed.
According to this circumstance, hybrid implicit-explicit
Crank-Nicolson (CN) leapfrog scheme have been
proposed to get a higher computational efficiency [14].
The implicit CN scheme used in fine regions can make
the system unconditionally stable but also require solving
large matrices equations which will destroy the original
powerful ability of DG-FETD. Therefore, an iterative
CN leapfrog scheme DG-FETD is proposed, which can
not only make system unconditionally stable but also
maintain the advantage of DG-FETD.

In this paper, an iterative CN leapfrog scheme
is introduced to analyze multiscale electromagnetic

1054-4887 © ACES
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problems. The leapfrog scheme is employed for
electrically coarse regions and iterative Crank-Nicholson
scheme [15] for electrically fine ones. In the paper,
an iterative CN leapfrog scheme is first introduced
with poor convergence. To solve the poor convergence
problem, a modified iterative CN leapfrog scheme is
further presented to speed up the convergence.

The paper is organized as follows. The basic theory
and formulations of the hybrid implicit—explicit iterative
CN leapfrog scheme for DG-FETD is presented in
Section II. The numerical results are given to demonstrate
the validity of proposed method in Section Ill, and the
conclusion is drawn in Section 1V.

II. THEORY AND FORMULATIONS

A. DG-FETD spatial semi-discrete formulation

The implementation steps of the DG-FETD method
include choice of the governing equation, grid
discretization and imposing the tangential continuity
of the electrical and magnetic fields at the interfaces
between adjacent elements. In this paper, first order
Maxwell’s curl equations based on E and H are
employed and the model is discretized by tetrahedral
meshes, central flux scheme is employed. Considering
the time-dependent Maxwell’s curl equations for a
linear, lossless, isotropic and non-dispersive medium,
the electric field E and the magnetic field H can be
described as:

& _viH. 1)
ot

oH

A _VxE, 2
ﬂat 2

where & represents the permittivity and x denotes the

permeability. The electric and magnetic fields can be
expanded by Whiney edge elements [16] as:

E=) We, H=> Wh. 3)
The curl-conforming vector basis functions W,; and
W, are chosen to discretize the E field and H field

respectively. Then e; and h; are the unknown coefficients.

The Galerkin’s weak forms of Maxwell’s equations can
be described as:

[ w, -g%Edv = [Jf, VW, -Hav = ] W, - (nx H)ds,

4)
[, w, -ﬂ%dv +[[[ VxW, - Edv = [[ W, - (nx E)ds,
()

The central flux is employed for each element to
impose the tangential continuity of the electric and
magnetic fields at the interfaces between adjacent
elements and the expression is:
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nxH , (6)

oV

1 +
=N x(H+HY)

nXElav =%n><(E+E+)

. ™

where E and H represent the electric and magnetic
fields of the elements within sub-domain V, E* and
H* represent electric and magnetic fields of the
adjacent elements within the neighboring sub-domain
V+. By substituting (6) and (7) into (4) and (5), the
final spatial semi-discrete DG-FETD formulations can
be converted into a matrix equation as follows:

oe
T.—=P . h+S’h, 8),
ee 8‘: eh eh ( )
oh .
Tin E =P.e+S.e, C))

where T, , T, P,,, P., S., and S;, are the sparse

matrices, e and h are the unknown vectors. The matrix
elements are defined as:

[Tee]ij = g” VWei 'WejdV ,
[Tl = ﬂfjjvwhi ‘W, dv,

[P]y = [[], VxW, -Wydv + %stei “nxW,dS,
[Pod; =[], V xW,, -W,dv - %sthi “NxW,ds
IS5 ]; :%”Swei NxW,dS

[S.]; =—%ILWH WS .

B. Iterative CN-leapfrog scheme

When dealing with multiscale electromagnetic
problems, very small size meshes will appear in fine
regions of the model. Though explicit leapfrog scheme
of the DG-FETD method makes the mass matrix block-
diagonal and it is convenient for matrix inversion and
parallel computing. But the size of the time step of the
explicit leapfrog DG-FETD is limited by the spatial
discretization of the simulation domain according to the
CFL condition which lead to produce a large number of
simulation steps and reduce the computation efficiency.
In contrast, the implicit time step schemes are proved to
be unconditionally stable with large time step intervals
but require solving large matrix equations. Therefore,
hybrid implicit-explicit CN leapfrog scheme can be
attractive in multi-scale electromagnetic simulations.
However, the implicit-explicit CN leapfrog DG-FETD
lost the block diagonal characteristic because of using
implicit CN scheme which lead to a mass matrix of
DG-FETD. In this section, an iterative CN Leapfrog
scheme is proposed to deal with the above problems
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which can not only maintain the block diagonal
characteristic of the DG-FETD method but also improve
the computational efficiency.

The proposed hybrid iterative CN Leapfrog scheme
divides the whole computational domain into the coarse
region marked by region 1 and the fine region marked
by region 2, [1]. In region 1, explicit leapfrog scheme is
employed to DG-FETD method and the Eq. (8), Eq. (9)
above can be changed into:

1 1
hn+E 3 hn—E ) 1 ) .
T, — - P.e" + > (Sie" +S.e"),  (10)
en+1 — en n+l 1 n+1 " n+é
eeT:Pehh 2 +§(Sehh 2 +Sehh z) . (11)

Where At represents the time step size and can be
expressed as:
h.

2Vmax (p+1)?*’
where h,,, is the minimum length of the mesh, v, is
the propagation speed of the wave in the object, P is the
order of the base function.
In region 2, iterative CN scheme is applied to DG-
FETD method and the Eq. (8), Eq. (9) can be expressed
as:

hn+1 _ hn en+1 + en en+1 + en en+1 + en
T, ———=P_- +S,. - +S,." ,
hh At he 2 he 2 he 2
(12)
en+1_en hn+1+hn hn+1+hn . hr|+1+hn
Tee ! = Peh . + 9 - eh *
At 2 2 2
(13)

The proposed scheme can be described by the
following steps:
Step 1. Assume that the correct overall distribution of
the electromagnetic fields at the time of nAt is
known.
In region 1, the leapfrog scheme for DG-FETD
as Eqg. (10) and Eq. (11) calculate the electric

Step 2.

and magnetic fields at the time of (n +%)At :

1
hlz_hln n S

W:Phel'el +

1
e 2_g"
Teel' : 5
At/2

n + n + n
Thhl : het " €1 +She1 € +She12 "€

: n+£ + n

Sehl'hl 2 +Sgh1'h1 2 +Seh12 'hz

(14)

In region 2, CN scheme for DG-FETD as Eq.

(12) and Egq. (13) calculate the electric and
magnetic fields at the time of (n+1)At:

n+%
= Pehl : hl +

Step 3.

Ryt -
At

1 n n+l n n+l n 1
e, +e, e, +e, L e o
= Phez 2 + Shez 2 + Shez : 2 + Shezl €

Thh2 .

n+l

eyt —e)

Teez 2 At 2
h* +hy

= PehZ : 2

hy* +hy
2

hy* +hy
2

S+ n+%
+9ena1 - hl

(15)
Equation (15) can be converted into a matrix
equation:

+
+ SehZ ' + Sehz '

T —At PehZ + Seh2
ee2 2 |:e2n+1:|+s+ {ezn+1:|+s+ |:e2n+1}

n+: h2 n+ he2 n+:

At Phez + She2 Thhz hz ' ) h2 ! ) h2 '
L 2
P..» + S +Sans
_ Teez At chz _ “ehz e e2hZ ezn}
Phez +Spe + S T h,"
2 hh2

1
AtS:hﬂ} g ?

1
AtS;,, hln%

(16)
because S, and S;, present the matrices of the
adjacent element in region 2 which destroy the block
diagonal characteristic of the mass matrix, S}, and
S;., are moved to the right-hand side of the equation to

ensure the mass matrix of the left-hand side is a block
diagonal matrix:

Py, +S
TeeZ tEhZT e n+l
2
At PheZ ;Shez Thh2 |:h2n+l:|
T At IDehz +Seh2 +Seh2
B ee2 2 ezn
At Phez + S;ez + S;ez Thhz hzn
1 S;hz
T "2 =
Ats;em hl’”% At S;ez hzn+1
2

(17
The linear system of Eq. (17) will be solved
iteratively and can be expressed as:
[T]ult, =[S, Jul" +[S, Ju] +[S, Julid

599



600

where subscript i represents the ith element, j represents
the jth adjacent element, subscript k denotes the kth
iteration. The initial value of u{¢ in the right hand side
of the equation is set to be the previous time step value
uj as u?}} =u]. After a few iterations for the solution of

the /", , the error can be acceptable and then go to the

next step .
Iterative number for convergence determines the

speedup effect of the method during the implementation.
In this paper, the global iterative method is first proposed.

By one-time iteration, all of the unknowns are obtained
and compared with the results in the previous step. Root
mean square error (RMSE) is calculated to determine
whether the iteration is over or not. If the iteration is
over, it will go to the next step. However, this method
we first proposed with disadvantage of poor convergence
performance will lead to increasing the iterative steps
and enlarge the time step size. To solve this problem, a
modified iterative CN method is further proposed. For
this method, electromagnetic fields of each element are
calculated by iteration and are updated immediately
until all the elements are calculated and updated. Then
RMSE is calculated. The procedure of the two proposed
methods is given as Fig. 1 below.
Step 4. In region 1, CN scheme is employed in Eq. (6)
and Eq. (7) to calculate the electric and magnetic

fields at the time of (n+1)At :

1
n+>

e{”l — e1 2 n+1 n+1 n+£ N n+l
eel AL/2 = Pehl'hl 2 +Seh1 h1 2 +Seh1 I"1 : +Semz'hz
h1n+1 _ hl'”%
+1 +1 +1 + +1
T W =P 'eln +She1 'eln +Shel 'e1n +Sh912 'e;
( Start )
v
Calculate all the unknowns
at (n+1) by iteration At
No
A

Calculate the relative
error between
un+1 and Un

<>

Yes

End

(@)
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—
A 4

i=0

—

—>

Yes
\ 4

1

Calculate the

relative error S Calculate the unknown of

between the ith element at (n+1)
u™ and 4" by iteration At No
A
i++
r— |
<le-
Yes
End

(b)

Fig. 1. (@) Flow chart of the iterative CN scheme, and (b)
flow chart of the modified iterative CN scheme.

III. NUMERICAL RESULTS AND
DISCUSSION

In order to verify the accuracy and efficiency of the
proposed method, two numerical examples are analyzed.
The first example is a rectangular cavity with the size
of 10mmx5mmx15mm. The number of the discretized
tetrahedron is 1771 and the number of unknowns is
19015 and the time step size is 1.17x10™s which is
five times as large as that of the leapfrog scheme. A
modulated Gaussian pulse is selected as the excitation
and the center frequency is 18GHz. The convergence
speed is compared between iterative CN DG-FETD
and modified iterative CN DG-FETD when both of the
methods require 500 time steps. As shown in Fig. 2,
the modified iterative CN DG-FETD can speed up the
convergence effectively. The parameters of CN DG-
FETD and iterative CN DG-FETD are also compared as
shown in Table 1, which further demonstrates that the
convergence speed of modified iterative CN method is
superior to the iterative CN method and computational
time of modified iterative CN method is much less than
CN method.

The second example is a metal cylinder cavity
loaded with a dielectric cylinder as shown in Fig. 3. The
radius of the metal cylinder is 0.5m and the height is
1m .The radius of the dielectric cylinder is 0.05m, the
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height is 0.02m and the relative permittivity is 4.0. A
modulated Gaussian pulse is selected as the excitation
in y direction with the center frequency of 230MHz. The
number of the total discretized tetrahedron is 8464. The
number of unknowns is 96089 with 14005 unknowns for
the fine domain using CN method and 82084 unknowns
for coarse domain using leapfrog method. The time step
size is 1.33x 10%s which is twice leapfrog time step
size, Fig. 4 represents the transient scattering fields with
two different method. Good agreement can be shown
from the results obtained by the above different ways.
Furthermore, Table 2 exhibits computational cost of the
above different methods which further demonstrate the
efficiency and accuracy of the proposed method.

0.25

--------- iterative CN

o
N

Modified iterative CN

\
.
2
LS
RS
L .
-~
1 1 1 1 1

0 5 10 15 20 25 30 35 40
iterative steps

o
©
(A

o
o
a

Root mean square errol

o

Fig. 2. Comparison of the convergence speed between
two methods.

Table 1: Comparison of computational efficiency
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Fig. 4. Electric field in time domain calculated by the
two methods.

Table 2: Comparison of computational efficiency

Number of | Number of Iterative|lterative
Method Unknowns | Unknowns Steps | Time(s)
(CN) (Leapfrog)
CN-leapfrog 14005 82084 5000 | 1104
lterative |4 1505 82084 | 5000 | 650
CN-leapfrog

O

& =40 im

0.02m 0.5m

0.05m

Y,

Fig. 3. A metal cylinder cavity loaded with a dielectric
cylinder.

¢

Iterative Amplification Mean Iterative
of Time Convergence | .

Method Step Step Time(s)
CN 5 0 600
Iterative CN 5 35 415

Modified
Iterative CN 5 13 173
IV. CONCLUSION

In the paper, a hybrid explicit-implicit iterative CN-
leapfrog scheme based DG-FETD method is proposed
for analysis of multiscale problems. The scheme divides
the whole computational domain into two types. The
iterative CN scheme is used in the fine regions while
the leapfrog scheme is used in the coarse regions.
Compared with the existing CN scheme and CN-
leapfrog scheme, our scheme can not only enlarge the
time step size but also ensure the mass matrix with the
block diagonal characteristic. Numerical results show
the accuracy and efficiency of the proposed iterative
CN-leapfrog scheme DG-FETD.
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Abstract — The proposed antenna in this paper is
compact UWB monopole antenna with a rectangular
patch consists of stepped cuts and triangular slot. A two
open loop resonators are designed and added near
microstrip feed line to achieve sufficient band rejection
from 5.1 GHz to 6.5 GHz for avoiding interference with
WLAN frequency bands. The proposed antenna has low
profile and compact size, its size equals 3.2 x 3.2 cm?. It
has bandwidth from 3.1 GHz to 19.3 GHz with voltage
standing wave ratio (VSWR) < 2, except the undesired
band of 5.1-6.5 GHz. Two-lumped capacitors are inserted
in order to investigate the ability of tuning the resonance
frequency of the band-notched structures from 5.6 GHz
to 3.5 GHz. Finally, the layout of the proposed UWB
monopole antenna with the notched band is experimentally
fabricated and measured to verify the simulation results.
Furthermore, the return loss and far-field measurements
of the fabricated antenna exhibit good match with
simulation predictions.

Index Terms— Lumped capacitors, notched characteristic,
open loop resonator, UWB monopole antenna.

I. INTRODUCTION

The congestion of the frequency spectrum and
the interference of various communication systems are
considered the most important problems due to the
advancement of wireless systems and the sustainable
demand for improving the operation bandwidth [1].
Commercially, the development of the ultra-wideband
systems is evident after the allocation of frequency
band 3.1-10.6 GHz by the Federal Communications
Commission (FCC) for that purpose [2-8].

There are many wireless communication systems
operating in the UWB frequency range (3.1-10.6) GHz
such as at 5.15-5.85 GHz and 3.3-3.8 GHz for Wireless
Local Area Network (WLAN) and Worldwide
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Interoperability for Microwave Access (WiMAX)
respectively. The previous systems cause interference
with the UWB systems and degrade the overall
performance. Hence, an UWB antenna with band
rejection characteristic is desired [9-17].

In order to eliminate the interference, the UWB
antenna should be integrated with external band-stop
filters, which in turn will increase size, cost, and
complexity of the system. Consequently, the demand
for compact antenna with band-notched characteristics
became necessary [18]. Furthermore, the theory behind
creating the band-notched characteristics with UWB
antennas is like using resonators in multiband antennas
to increase the number of frequency bands [19]. Different
methods such as etching slots with various shapes in the
microstrip feed-line [20, 21], loading resonators etched
on the radiator [19, 21-24] or on the ground plane [25],
loading parasitic elements of different shapes behind the
truncated ground plane [26], and utilizing EBG
structures [27] have been addressed to obtain UWB
operation with the capability of band rejection.

In this paper, a single band-notched monopole
antenna for UWB operation is introduced. The UWB
monopole antenna with stepped cuts and partial slotted
ground plane is designed firstly, which exhibits radiating
characteristics in the frequency range 3-19 GHz. Two
open loop resonators are mounted on the substrate behind
the microstrip feed line and the radiator to achieve the
band-notched functionality at the operating band of
WLAN applications. The proposed UWB antenna with
stop band behavior is fabricated on low cost substrate
and then measured in order to verify the simulation
results. To tune the resonance frequency of band-notched
structure from the operating band of WLAN to the
operating band of WiMAX, two lumped capacitors are
used. Commercial software HFSS 13 is employed to
simulate the proposed antenna.
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Il. DESIGN PROCEDURES

A. UWB antenna configuration

The designed UWB monopole antenna is fed by
50 Q microstrip line and is printed on epoxy FR4
substrate with 4.4 relative permittivity, 0.02 loss tangent
and 1.5 mm thickness ‘h’.

The antenna is designed to achieve the desired UWB
performance. Subsequently, different procedures are
introduced in order to achieve the desired design. First of
all, monopole antennas with partial ground plane and
triangle slot in the radiator patch are designed (case | and
case Il) to produce UWB behavior as shown in Fig. 1.
However, this design has frequency band from 3 GHz
to 10 GHz with VSWR lower than 2 as shown in Fig. 2.
In order to extend the frequency band from 3 GHz to
13 GHz, the case Il with triangle slot in the patch radiator
and simple U slot in the ground plane are utilized. Also
the matching bandwidth of the UWB antenna can be
improved by using three steps in the radiator patch as
shown in case IV. The bandwidth of case IV is extended
to operate at frequency band from 3 GHz to 19 GHz as
illustrated in Fig. 2. Finally, the proposed antenna
(with/without triangle slot) is integrated with two open
loop resonators to achieve a single notch frequency for
interference mitigation with the WLAN applications
(case V & VI). It can be noticed from Fig. 2 that the
behaviour of case V is the same as case VI except the
frequency range from 14.6 to 16.3 GHz. So, case VI is
chosen as the proposed model for band-notched UWB
antenna.

LiLILdbaL 3k

Case | Case Il Case lll Case IV Case V Case VI

Fig. 1. Design procedures of the proposed UWB antenna.
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Fig. 2. VSWR of the UWB antenna at different cases.
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The total length of the utilized resonator to be
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resonating at the WLAN frequency band should be half
the guided wavelength of the rejection frequency [28,

29] as the following equations:
L O P S
total ™ 5 T zfnotch\/“—‘eff’

r+1
Eefr = £2+ . )
The VSWR which is shown in Fig. 2 for case VI
illustrates the UWB behavior of the proposed antenna
with band-notch from 5 GHz to 6.5 GHz.

M

B. Parametric study of band-notched UWB antenna

The layout of the proposed UWB antenna is
demonstrated in Fig. 3. The optimized dimensions of
antenna are tabulated in Table 1. The antenna is
composed of monopole antenna with three steps stepped
cut, triangle slot in the radiating patch and two open loop
resonators near the microstrip feed line. Also, the ground
plane has simple slot as shown in Fig. 3. To understand
the effects of the resonator gap (g), width (Ws) and
length (L) on the impedance matching characteristics,
parametric studies are carried out.

(b)

Fig. 3. 2-D layout of WLAN band-notched UWB antenna:
(a) top and (b) bottom view.

Table 1: Design parameters of the proposed band-
notched UWB antenna

Parameter L, L, Ls | Ls Ls
Value(mm) | 7.5 | 145 | 16 17 | 45 | 3.4
Parameter Ly Lg Lo | Wi | Wao | W;
Value (mm) | 1.4 | 10 3 15 | 8.66 | 12
Parameter Wi | Ws | We | W7 | W g

Value (mm) 9 45 1276| 3 25 |1 0.5

Figure 4 shows the VSWR at different gaps (g) of
the band-notched resonator. It is clear that the gap (g)
affects the position of the band-notched frequency. The
position of the center frequency is shifted from 3.5 GHz
to 5.6 GHz when the gap (g) is changed from 0.1 mm to
0.7 mm and we chose the gap (g) of 0.5 mm to achieve
the desired band-notched characteristics. Figure 5 and
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Fig. 6 illustrate the VSWR at different width (W5s) and
length (L;). It is obvious that the open loop resonator
consists of parallel inductance (the overall length of the
resonator) and capacitor (the gap between the resonator
arms), so when the length and the width of the resonator
are increased, the inductance of the resonator is
increased. Consequently, the center frequency of the
notched band is shifted down as shown in Fig. 5 and Fig.

1 3 5 7 9§ 1 13 15 17 19 21
Frequency [GHZ]

Fig. 4. Simulated VSWR at different gaps (9).

W;=4.5mm
s == W;5=5.0mm

A
A

9 1 13 15 17 19 2
Frequency [GHz]

Fig. 5. Simulated VSWR at different widths of the open
loop resonator.

Fgreque%gy [Gr}% 15 7 19 2L
Fig. 6. Simulated VSWR at different lengths of the open
loop resonator.

C. Results and discussions

A photograph of the fabricated UWB antenna is
shown in Fig. 7. The antenna was tested for its VSWR
characteristics using Agilent N9918A vector network
analyzer (VNA), whereas the radiation pattern and gain

were measured in an anechoic chamber. Figure 8 shows
acomparison between the simulated and measured VSWR
results of the band-notched UWB monopole antenna,
where the practical results coincide with the simulation
results over the whole bandwidth. It can be noticed that
the two curves are all below 2 from 3.2 to 19.3 GHz
except a rejection in the band from 5.1 to 6.5 GHz,
which makes the presented antenna suitable for UWB
applications without interfering WLAN applications.

(b)

Fig. 7. Photographs of fabricated UWB antenna: (a) front
view and (b) back view.

M iIrement

Simulation

I S S L I A
Frequency [GHz]

Fig. 8. The simulated and measured VSWR of the
optimized structure against frequency.

I11. PROPOSED TUNABLE UWB ANTENNA
DESIGN

As discussed in the previous section, the center
frequency of the notch can be controlled by changing
both the inductance and the capacitance of the open loop
resonator. By studying the electric field distribution at
5.6 GHz on the open loop resonator, it can be observed
that the electric filed is concentrated around the open
loop gap as shown in Fig. 9. By inserting lumped
capacitor in the gap of the open loop resonator as shown
in Fig. 10 (a), the center frequency of the notch can
be tuned and controlled. In order to study the effect of
the values of lumped capacitor on the proposed antenna
response, a parametric study is carried out as illustrated
in Fig. 11. It can be noticed from Fig. 11 that the central
frequency of the notch is shifted from 5.6 GHz (without
capacitor) to 2.9 GHz when lumped capacitors of 0.4 pF
are used.
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Fig. 9. Simulated electric filed distribution of antenna at
5.6 GHz.

.
Lumped capacitors i A

Fig. 10. The geometry of the proposed UWB antenna: (a)

2 D layout and (b) fabricated photograph.

6 7
Frequency [GHz]

Fig. 11. The VSWR of the proposed antenna at different
values of lumped capacitors.

The proposed UWB antenna has been simulated,
fabricated, and tested using Agilent N9918A vector
network analyzer (VNA). The fabricated photograph of
the proposed antenna is illustrated in Fig. 10 (b). The
VSWR of the antenna was measured and compared
with the simulated one with lumped capacitors of 0.2 pF
as demonstrated in Fig. 12. As depicted from the Fig. 12,
there is a good consistency between simulated and
measured VSWR but with small frequency shift due
to the fabrication tolerance and misalignment of the
welding process. Finally, it is concluded that the lumped
capacitor can tune the center frequency of the notch from
the WLAN operating band to WIMAX operating band.

ACES JOURNAL, Vol. 33, No. 6, June 2018

5 -
=': é: Measurement
4% i ) .
i 4] Simulation @ =———
e \E g
23N\ :
- L
H
1
Y
3 3

5 Frquency EGHZ] 8 9 10 "

Fig. 12. The simulated and measured VSWR of the

optimized structure against frequency with capacitor of
0.2 pF.

-30

Measurement Simulation ==="=
Fig. 13. The simulated normalized radiation patterns at
f =4 GHz (left) and f = 9.3 GHz (right): (a) x-y plane,
(b) y-z plane, and (c) x-z plane.

The normalized simulated and measured radiation
patterns in x-z, y-z and x-y planes of the proposed
antenna are shown in Fig. 13. It follows from Fig. 13 that
the UWB monopole antenna has nearly omnidirectional
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patterns in x-z plane and almost bi-directional patterns
in y-z and x-y planes. From the previous results, it is
clear that the proposed antenna is convenient for UWB
application.

6
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Fig. 14. The measured realized gain of the band-notched
UWSB antenna.
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Fig. 15. The measured efficiency of the band-notched
UWB antenna

Table 2: Comparison between different band-notched
UWB antenna designs

Size Freq. Notch Realized

Ref. [mm?] Range |Frequencies| Gain

[GHZ] [GHZ] [dBi]
[9] |58 x65.5| 3.1-11 - -

5.5 -4.9

[10] | 24 x32 | 2.9-12.5 5 39
3.5 -3.3

[11] | 12.3x 28 | 3-12.8 %) 55
5.5 -2

[12] | 30x32 | 3.1-14 6.8 0.9
11.5 -0.7

3.5 -4.3

[13] | 24 x 32 2.7-12 3 51
TS| 35%32 | 3193 | 56035 4

work

A comparison between measured realized gains
of the proposed UWB monopole antenna with/without
lumped capacitors is demonstrated in Fig. 14. The average

measured realized gain of the UWB antenna is nearly
constant around 3 dBi, except the notched frequency bands
with values equal -4 dBi at 5.6 GHz and 3.5 GHz for the
two cases of without and with using lumped capacitors
respectively. Figure 15 shows a comparison between
measured radiation efficiencies of the proposed band-
notched UWB antenna with/without lumped capacitors.
The average measured efficiency over the entire
frequency band is 74% except the notched frequencies
with values 15.7% and 10.8% at 3.5 GHz and 5.5 GHz,
respectively.

A comparison between the proposed antenna and
other reported UWB antennas is illustrated in Table 2. It
can be concluded from this comparison that the proposed
antenna has compact size and higher bandwidth. The
gain at the center frequency of the notched band is
comparable, or somewhat higher.

IV. CONCLUSION

A compact band-notched monopole antenna printed
on 3.2x3.2 cm? low cost FR4 substrate has been proposed
for UWB systems. A frequency band rejection has been
investigated by embedding open loop resonators in
the antenna structure to avoid the interference of UWB
systems with WLAN applications. The experimental
results confirm that the fabricated antenna is suitable for
UWB systems by covering frequency range 3.1-19.3 GHz
with the band-notched characteristic at 5.1-6.5 GHz.
Moreover, good omnidirectional radiation characteristics
and gain have been achieved throughout the UWB
frequency band except the undesired notched band. The
tunablility of the notched band has been investigated
by embedding two lumped capacitors. The proposed
tunable band-notched UWB monopole antenna provides
very interesting specifications to be presented for various
wireless communication systems.
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Abstract —In this letter, a differential coplanar
waveguide (CPW)-fed ultra-wideband (UWB) antenna
with dual notched bands is presented. The proposed
antenna is mainly composed of two C-shaped radiating
elements and a polygon slot ground plane. To alleviate
the electromagnetic signal interference, two pairs of
open-ended slots etched on the ground plane are adopted
to reject 3.5 GHz WiMAX band while a pair of Y-shaped
slots embedded in the C-shaped radiating elements is
used to filter 5.5 GHz WLAN band. Measured results
demonstrate that a 10-dB impedance bandwidth
implemented is 131% (from 2.57 to 12.31 GHz), along
with dual notched bands of 3.29-3.95 GHz and 4.73-6.55
GHz. Furthermore, the low cross-polarization is obtained
because of differential feeding structure. Finally, the
antenna expresses good radiation patterns in the whole
operating band.

Index Terms — Differential-fed, notched bands, open-
ended slot, UWB antenna, Y-shaped slot.

I. INTRODUCTION

Currently, the ultra-wideband (UWB) wireless
communication technology operating in the frequency of
3.1-10.6 GHz has gained much attention due to its
inherently attractive advantages of wide bandwidth, low
power consumption, high data rate and so on. UWB
antennas play an important role in the wireless
communication systems. In the open literatures, UWB
antennas with excellent performances have been
presented [1-8]. As is well known, the operating band
of UWB communication technology overlaps that of
some other existing narrowband services like WiMAX
(3.4-3.69 GHz) and WLAN (5.15-5.825 GHz) which may
cause electromagnetic signal interference. To alleviate
this problem, a band-rejection filter is always adopted
to filter the bands of the existing narrowband services.
However, the system complexity is increased due to the
additional filter. Therefore, the UWB antennas with
band-notched characteristics are desirable. In [9], an
open loop resonator is introduced to obtain a notch band
at 5.15 GHz. The proposed antenna achieves good
notched band characteristics by optimizing the position

Submitted On: December 26, 2017
Accepted On: May 19, 2018

and dimension of the open-loop resonator. In [10], by
using an inverted m-shaped parasitic structure in the
ground plane, a frequency notch band of 5.11-6.02 GHz
is achieved. In the design of [11], a compact UWB slot
antenna with band-notched characteristics is proposed.
Combining a short-ended split-ring slot and an open-
ended slot, a notched band ranging from 5.15-5.9 GHz
with sharp selectivity is achieved. However, the
mentioned designs [9-11] have a single notched band,
and they cannot filter the 3.5 GHz WiMAX band. In [12],
a microstrip line-fed planar antenna with dual notched
bands is designed by etching a single tri-arm resonator
below the patch. It has a wide bandwidth (return loss <
-10dB) ranging from 2.98 to 10.76 GHz with two notched
bands operating at 3.56 and 5.5 GHz. In [13], a dual-
notched characteristic is presented by utilizing the semi-
circular and annular circular slot etched on the circular
ring radiator. However, the cross polarization problem in
these antennas is needed to be improved. To enhance the
purity of polarization, a differential feeding technology
has been widely applied in the RF system. Normally, a
balun is adopted to transform differential signals into
single-ended signals, leading to cause additional losses
and shrink the impedance bandwidth. The single-ended
antenna is hard to be directly integrated with the
differential circuit. Hence, a differential-fed antenna
excited by two signals with uniform amplitude but 180°
phase difference is needed. In [14], a differential-fed
magneto-electric (ME) dipole antenna is designed for
UWB communication system. However, the antenna
has a bulky volume and cannot reject the operating bands
of narrowband communication systems. In [15], a
differential-fed UWB antenna with good radiation
patterns is presented. It is clear that the radiation patterns
are greatly improved by using differential feeding
structure. Nevertheless, the antenna does not have the
function of filtering undesired band. A differential-
fed tapered-slot UWB antenna with band-rejected
characteristics is designed [16], but it just has a single
notched band of 5.2-6.0 GHz which cannot reject the 3.5
GHz WiIMAX operating band. In the design of [17], a
planar differential-fed antenna with dual band-notched
characteristics is presented for UWB applications.
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Nevertheless, the planar feeding structure is not
preferred because it cannot offer easy integration with
the existing fabrication facilities.

However, CPW feed lines have several useful
characteristics, low radiation losses, less dissipation, and
uniplanar configurations. For RF applications, they can
be easily mounted and they have good compatibility
with other active devices, which is very important for
Miniature Hybrid Microwave Integrated Circuits and
Monolithic Microwave Integrated Circuits technologies.

In this letter, a differential CPW-fed UWB antenna
with dual notched bands is presented. A wide impedance
bandwidth of 131% (from 2.57 to 12.31 GHz) for
differential reflection coefficient less than -10 dB is
obtained. By introducing the open-ended slots and the
Y-shaped slots, two notched bands are implemented
to reject the 3.5 GHz WiMAX band and the 5.5 GHz
WLAN band, respectively. In addition, the antenna has
low cross polarization because of differential feeding
mechanism. Based on the design parameters, the antenna
is fabricated and tested.

I1. ANTENNA DESIGN

Figure 1 shows the geometry of the proposed
antenna. The proposed antenna is composed of two parts:
two C-shaped radiating elements placed face to face and
a polygon slot ground plane. Each C-shaped radiating
element has a Y-shaped slot and the ground plane has
two pairs of open-ended slots. Both the radiating elements
and the ground plane are etched on FR-4 substrate with
a thickness of 1 mm, relative dielectric constant of 4.4
and loss tangent of 0.02. The simulation and analysis
for the proposed antenna are performed using the
electromagnetic simulator ANSYS HFSS. The optimized
design parameters of the antenna are shown in Table 1.

Table 1: Optimized parameters of the proposed antenna
Parameters W g Lt Ws L1
Values/mm 28 0.4 2 0.2 5.6
Parameters | W(g R1 Ls W2 Wi
Values/mm | 3.8 6 12.8 1.7 2.2
Parameters R2 ds L2 S Wt
Values/mm | 5.5 14 2.2 0.3 8
Parameters | W1 ts L Lg dr
Values/mm | 1.4 0.2 30 5 3

As is known, the two-port s-parameter matrix [18]

is shown in (1):
S =|:Sll Slz:|l (1)
S21 S22
For the convenience in analyzing differential signals,
the s-parameter matrix S™ is presented, which is
employed to describe the transmission characteristic of
differential circuits. Usually, a differential-fed antenna
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can be regarded as a two-port network. Then, the s-
parameter matrix can be simplified as (2):

Smm — |:de Sdc:| . (2)
Scd Scc

Gv’f
Fig. 1. Geometry of the proposed antenna.
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Fig. 2. Evolution of the proposed antenna.

Each of the s-parameters is as follows:

Sy = %(Sll -5,-5,,+S,,), 3)
Sec = %(S11 +5,-5,,-S,,), 4
Sy = %(S11 =S, +S,,-S,), (5)
Sec = %(S11 +S,+S,+S,,). (6)

Sue: Differential-mode of the s-parameters;
S¢c:.  Common-mode to differential-mode;
Sci:  Differential-mode to common-mode;
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Sc:  Common-mode of the s-parameters.
The differential reflection coefficient of the antenna
can be calculated by Equation (7):
[ = de — (811 — S12 ;Sﬂ + Szz) . 7
Thus, the results of two port simulations and
measurements can be used to calculate the reflection
coefficients that the will be seen by the source in an odd
mode excitation. An Agilent N5230A vector network
analyzer is used to measure the S-parameter, Si1, Sz, S12
and Sy, for the proposed antenna. The odd mode return

loss in dB is defined as 2010g10|T" |-

Reflection coefficient (dB)

-30 T T T T T

Frequency (GHz)

Fig. 3. Simulated reflection coefficients of various
antennas mentioned.

Figure 2 shows the evolution of the proposed antenna,
and the corresponding simulated differential reflection
coefficient for each antenna is exhibited in Fig. 3. As
shown in Fig. 2, the original antenna named as Ant 1
consists of two C-shaped radiating elements and a
polygon slot ground plane. Meanwhile, a wide impedance
bandwidth is obtained from 2.67 to 13 GHz when C-
shaped radiating elements excite the polygon slot using
differential feeding mechanism in Fig. 3. Nevertheless,
the operating band of the UWB communication technology
overlaps that of some other existing narrowband services
like WIMAX (3.4-3.69 GHz) and WLAN (5.15-5.825 GHz)
which may cause electromagnetic signal interference. To
eliminate the adverse effects, two different methods are
adopted to filter the operating bands of WiMAX and
WLAN communication systems.

First, two pairs of open-ended slots etched on the
ground plane are introduced into Ant 1, and the new
antenna named Ant 2 is formed. Therefore, it can be seen
that a rejected band is obtained covering the band of
3.5 GHz WIiMAX, as shown in Fig. 3. The bandwidth
and resonant frequency of the rejected band can be easily
controlled by adjusting the dimension and position of the
open-ended slots. Additionally, each open-ended slot is
approximately equal to a quarter guided wavelength Ag
at 3.6 GHz. The guided wavelength Ag can be calculated
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by Equation (8) as follows:
c
ke = eeff f’ 8)
where ¢ is the velocity of light in free space, f is the
resonant frequency of notched band, and e is the
effective relative permittivity.

Second, two identical Y-shaped slots are embedded
in Ant 1, and Ant 3 with a notched band to filter 5.5 GHz
WLAN band is implemented. The corresponding
reflection coefficient depicted in Fig. 3 demonstrates
the good operation of Y-shaped slots, and the resonant
frequency of the notched band is 5.4 GHz. Meanwhile,
the length of Y-shaped slot is about half of one guided
wavelength at 5.4 GHz. Finally, the proposed UWB
antenna with dual notched bands (Ant 4) is obtained by
a subtle combination of open-ended slots and Y-shaped
slots, and the relevant reflection coefficient is illustrated
in Fig. 3.

To further demonstrate the operation mechanism
of open-ended slots and Y-shaped slots, the simulated
surface current distributions on the proposed antenna at
the rejected bands are shown in Fig. 4. It is clear that
the simulated current has various distributions on the
proposed antenna. The surface current distributions
focus mainly on the edge of the open-ended slots at the
frequency of 3.6 GHZ. In addition, the surface current
distributions mainly concentrate along the edge of the
Y-shaped slots at the frequency of 5.4GHz. Because
the open-ended slots and the Y-shaped slots work as
resonators in the notched bands and the impedance
mismatching of the proposed antenna is serious, the
antenna cannot radiate outside in the notched bands.

To better show the performances of the proposed
antenna, the figures of merit (including the size, operating
bandwidth and notched band) of the previously reported
dual-band notched UWB antennas are compared in
Table 2. Note that the antenna size in [19], [20] and [21]
is not compact and there is incomplete rejection in the
bands 3.30-3.80 GHz and 5.15-5.85 GHz. The designed
antenna has a compact size of 28x30mm?. Meanwhile,
two frequency bands 3.29-3.95 GHz and 4.73-6.55 GHz
for WiMAX and WLAN are sharply notched in the
operating band of the proposed antenna.

Table 2: Comparison between the reported antennas with
the proposed dual band-notched UWB antennas

Reference| Antenna Operating Notched
Size (mm) | Bandwidth (GHz) Band

[19] | 40.4x44 3.1-11.0 a3

[20] 50%50 2.6-10.8 4762;125

[21] 28x18 3.2-11.7 758:1?,227

Proposed 3.29-3.95

antenna | 25*30 2.57-12.31 4.73-6.55
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Fig. 4. Simulated current distributions on the proposed
antenna at: (a) 3.6 GHz and (b) 5.4 GHz.

I1l. RESULTS AND DISCUSION

Based on the optimized design parameters
mentioned in Table 1, the fabricated antenna and a 180°
power-divider which can be used to excite the proposed
antenna are shown in Fig. 5. The simulated and measured
reflection coefficients of the proposed antenna are
illustrated in Fig. 6. It is shown that the proposed UWB
antenna achieves a wide bandwidth of 131% (2.57-12.31
GHz), along with dual notched bands of 3.29-3.95 GHz
and 4.73-6.55 GHz covering the operating bands of 3.5
GHz WIMAX and 5.5 GHz WLAN. Additionally, the
difference between the simulated and measured results
may be attributed to the testing circumstance and the
error of fabrication.

Figure 7 depicts the simulated and measured
radiation patterns at 3.1, 4.5 and 8.5GHz. It can be seen
that the quasi-omnidirectional radiation patterns in the
H-plane and dipole-like radiation patterns in the E-plane
are obtained. Meanwhile, the polarization purity of the
proposed antenna is greatly improved. In Fig. 8, the
measured and simulated results agree well with each
other. It can be seen that the measured gain is flat in all
operating bands, and it declines rapidly in the notched
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bands.

(b)

Fig. 5. (a) Photograph of the fabricated antenna, and (b)
180° power divider.
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Fig. 7. Simulated and measured E-plane (left) and H-
plane (right) radiation patterns of the proposed antenna
at: (a) 3.1 GHz, (b) 4.5 GHz, and (c) 8.5 GHz.
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Fig. 8. Simulated and measured gains of the proposed
antenna.

1V. CONCLUSION

A differential CPW-fed UWB antenna with dual
band-notched characteristics is proposed. To generate
filtering behavior, the open-ended slots and the Y-shaped
slots are introduced into the antenna design, and two
notched bands of 3.29-3.95 GHz and 4.73-6.55 GHz are
obtained to filter the 3.5 GHz WiMAX and 5.5 GHz
WLAN bands. Then the antenna achieves good radiation
patterns and stable gain. In addition, the antenna also has
low cross polarization because of differential feeding
mechanism. Finally, the measured results demonstrate
that the proposed antenna is a good candidate for the
UWB applications.
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Abstract — A support vector machine (SVM) based
analysis and synthesis models are presented for the
equilateral triangular ring microstrip antennas (ETRMAS)
that operate at ultrahigh band applications. The analysis
and synthesis of irregularly shaped microstrip antennas
(MAs) require complex, lengthy and time consuming
mathematical procedures and artificial intelligence
techniques such as SVM eliminate great effort and time.
In this paper, two models based on SVM are constructed
for analysis and synthesis of ETRMAS. The number of
100 ETRMAs with various geometrical and electrical
parameters (L, I, h and &) are simulated in terms of
resonant frequency (f) with the aid of an electromagnetic
simulator program to obtain the data set. Two different
SVM models are designed to obtain the resonant
frequency and slot dimension of ETRMAS by using the
simulation data set. The obtaining the resonant frequency
and slot size are analysis and synthesis processes,
respectively. The SVM models are trained with the
simulated data set of 75 ETRMAs and tested with
remainders 25 ETRMAs. A prototype of ETRMA is then
fabricated to verify the proposed models in this paper.
The testing results of the SVM are compared with the
simulation/measurement results and the models are
found to be successful. Antenna designers can use the
proposed models quickly and simply in analysis and
synthesis process of ETRMAs without the need for
complex processes.

Index Terms — Analysis, microstrip antenna, synthesis,
support vector machine, triangular ring microstrip
antenna.

I. INTRODUCTION

Microstrip antennas (MAs) have significant
advantages such as low size, lightness, robustness,
ease of production, low production cost and physical
compatibility with the surfaces. Because of these
advantages, MAs are widely used in portable/non-
portable wireless communication applications that require
miniaturized geometry [1]. The smaller size antennas can
be produced by using the substrate having high dielectric
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constant but this leads to a reduction of performance
efficiency and bandwidth parameters [1]. Therefore,
performing the requirements of mobile communication
devices is difficult by using the traditional patch
geometries of MAs such as rectangular, triangular,
circular, square. The miniaturized MAs are produced by
applying some modification such as shorting pins, slits
or slots on the traditional geometry structures [1].
Equilateral triangular ring microstrip antennas (ETRMAS)
are constructed by triangular slot loading in the center of
triangular patch. According to the same size triangular
microstrip antenna, the resonant frequency is reduced
due to slot loading into the triangular patch. For the same
resonant frequency, the size of ETRMA reduces
compared to the equilateral triangular microstrip antenna
(ETMA).

Antenna analysis involves the process of calculating
performance parameters such as resonance frequency,
gain, bandwidth, radiation patterns, etc. On the other
hand, antenna synthesis is the process of deriving
physical structure for the given performance parameters
reverse of antenna analysis. Several analytical and
numerical methods having some disadvantages are
generally used for analysis process [2]. The numerical
methods give good results by using mixed mathematical
operations. The numerical methods such as finite
difference time domain method, finite element method
and method of moment require much more time in
solving Maxwell’s equations including integral and/or
differential computations. So, it becomes time consuming
since it repeats the same mathematical procedure even if
a minor change in geometry is carried out. Moreover, the
analytical methods such as the cavity model and the
transmission line model are accurate but they are based
on physical assumptions. These methods are more
suitable for conventional MAs because of their regular
shapes. In addition, these approaches require a new
solution for every small change in the patch geometry
[3]. Antenna designers need the synthesize to find the
best antenna solution. Simulator tool packs such as
HyperLynx® 3D EM [4], Ansoft HFSS [5], CST
microwave studio [6], Agilent ADS [7] are commonly

1054-4887 © ACES



used to simplify the synthesis process. These simulation
packages do not themselves produce a synthesized
antenna, but they only analyze the antenna structure and
provide calculated performance results for a synthesized
antenna. Hence, artificial intelligence techniques are
widely preferred as a faster and accurate alternative
methods to accomplish these challenges associated with
the traditional techniques in analysis and synthesis
processes of MAs [3, 8]. Artificial intelligence models
such as artificial neural network (ANN) [9], support
vector machine (SVM) [10] and adaptive neuro fuzzy
inference system (ANFIS) [11] eliminate the complex
mathematical procedures and time consuming for
processes of antenna design. These models have been
widely used for analysis and synthesis of various MAs in
the literature [12-25]. In [12-18], analysis studies were
carried out to determine some performance parameters
of MAs having various shapes with artificial intelligence
techniques such as ANN, SVM and ANFIS. Also,
synthesis models were proposed for MAs and
microwave devices in [19-25]. In this study, SVM is
preferred because of the following advantages: SVM
often converges on global minimum rather than local
minimum in high nonlinear problem. The overfitting
problem and calculation procedures are less in the SVM
method according to ANN and ANFIS. SVM requires
less memory than other modeling methods.

In this work, SVM-based analysis and synthesis
models is proposed as a tool for the design of ETRMASs.
Using SVM technique, the resonant frequency (f;) and
slot size (1) of the ETRMA s are obtained as a function of
input variables. For this purpose, ETRMA is designed
and a two SVM models are constructed with a 100
ETRMAs simulation data set. The simulations are
performed with the aid of a 3D full wave simulator using
the method of moment (MoM) [26]. The data set of 75
ETRMAs are used to train the SVM models and
remainders 25 ETRMAs are utilized to test the accuracy
of models. The testing data set is not included in training
process. The SVM models are then verified through the
measured data set of a prototyped ETRMA in this study.

Il. ETRMA STRUCTURE AND
SIMULATION PROCESS

ETRMA is formed by loading an equilateral
triangular slot with size “I” on an equilateral triangular
patch of size “L” as shown Fig. 1. The constituted
ETRMA patch is placed on a substrate with h thickness
and & dielectric constant, all over on the ground layer.
The ETRMA is fed at the point of x and y. The equilateral
triangular slot causes to a reduction in resonant frequency
compared to an ETMA of the same size. Also, the size
of ETRMA is smaller than the size of ETMA in the same
resonant frequency. These situations are seen in the
simulation results given in Table 1 and Fig. 2.
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Probe feed

0,0)
Radiating patch  Substrate

(@) (b) ()

Feed point  Ground layer

Fig. 1. Geometry of the ETRMA: (a) back view, (b) front
view, and (c) side view.

Table 1: Comparative simulation results for ETMA and
ETRMA

Patch Dimension (mm)

Antenna L I h &r fr
ETMA 52 0 1.6 2.33 | 2.432
ETRMA 52 17.2 1.6 2.33 | 2.226
ETRMA | 433 25.8 1.6 2.33 | 2.432

186 18 20 22 24 26 28 3o

Freguencies (GHz)

Fig. 2. The compared Si11 parameters of simulated ETMA
and ETRMA for the same size

The 100 ETRMA with 4 parameters (L, I, h and &)
are simulated to determine the resonant frequency (f;). A
total of 100 data set are generated, 75 of which are used
for training the SVM models. The remaining 25 are used
for testing the performance of the trained SVM models
on inputs. From the data set, 75 and 25 ETRMAs are
uniformly selected to train and test the accuracy of the
models according to 75% and 25% of ETRMA data,
respectively. These ratios used for training and testing
data are widely preferred in the literature. The 25 testing
data are not used in the training process. For this purpose,
simulations of 100 ETRMAs are performed with the
respect to the resonant frequency according to parameters
given in Table 2. The “h” and “&” values given in Table
2 belong to the substrate materials commonly used in the
literature. Because the proposed analysis and synthesis
models cover ETRMASs operating in the ultrahigh band,
the patch dimensions are determined accordingly.
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Table 2: Geometrical and electrical parameters of simulated ETRMAS

Number of Patch Dimensions (mm) Dielectric Constant
Simulations (&r)
L h

20 26 3.44,6.88, 10.32, 13.76, 17.2

20 34 5.16, 10.32, 15.48, 20.64, 25.8

20 52 8.6,17.2,25.8, 34.4, 43 1.6,25 2.33,4.4

20 69 17.2,25.8,34.4,43,51.6

20 86 25.8,34.4, 43, 51.6, 60.2

The ETRMA structures are modelled/simulated
according to topology in Fig. 3 by means of computational
electromagnetic software HyperLynx® 3D EM [4] using
method of moment (MoM) [26]. In the simulations, 1
Volt wave source with coaxial fed is used for the
ETRMAs. The antenna models are meshed with lines per
wavelength ratio of 40 and maximum frequency of 5
GHz. Itis simulated between the frequency of 0 GHz and
5 GHz. The HyperLynx® 3D EM's built-in optimization
module was used to determine the feed point with
the objective function Si1 (dB) < —10 for the resonant
frequencies.

parameters of ETRMA

Physical and electrical
A
HyperLynx® 3D EM

Fig. 3. The topology of the simulation process by
HyperLynx® 3D EM software.

I1l. PROCESS OF SVM MODELS
CONSTRUCTION

The process of SVM models construction is outlined
in Fig. 4 for analysis and synthesis of ETRMAs. The
resonant frequency and slot dimension of ETRMAS
are obtained in the analysis and synthesis process,
respectively. The SVM models are trained with 75
antenna data so that fitting the models’s outputs to results
of simulation in the objective of minimizing MAPE
calculating the mean absolute percentage error between
the targets and outputs.

A. SVM modelling

Analysis and synthesis models based on SVM are
proposed for the design of ETRMAs according to
the topology shown in Figs. 5 (a) and 5 (b). Machine
learning methods are used for classification, regression
and clustering problems. SVM is a new generation
supervised learning model which used for regression
analysis in machine learning [10]. In the nonlinear
problems such as analysis and synthesis of antennas,
SVM depends on the principle which is separation of
two data groups by N-dimension optimum hyperplane by
using the Kernel functions. The key point in SVM is
linear discriminant function called hyperplane reflecting
the characteristics of data-set. SVM effectively establishes
an optimum hyperplane having equidistant from both of
the data in a high or infinite dimensional space. [27].

Antenna pyhsical and
electrical parameters

v

3D full wave simulator

'

Data set generation

Ll 1/ h c,{
Yyvy

SVM Model for
resonat frequency

:l "y “y ﬂr

SVM Model for
slot size

Target f,
Target |

Y A J
Target-Output

x 100

.

Total antenna number

. - Target
Output f. g

Qutput

| MAPE, | [ MAPE; |

Fig. 4. The working principle of the SVM models.
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Fig. 5. The topology of SVM models: (a) for analysis,
and (b) for synthesis.

B. Training the SVM models

The SVM models are trained through 75 of total 100
ETRMA data set according to flow chart given in Fig. 6.
They are constructed using parameters in Table 3
for obtaining the resonant frequency and slot size of
ETRMAS as shown in Figs. 7 (a) and 7 (b). The SVM
models are codded in MATLAB® software. In this
work, the used gaussian kernel function is given as

K(x %)= exp(—u} : 1)
20

| Load training data set |

Set SVM paramaters initial
value

Select gaussian kernel
function

| Generate initial SVM |

!

| Adjustment SVM parameters

1

| Compute MAPE value |

| Model output |

Fig. 6. Flow chart of the SVM maodels in the training
phase.
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As it is seen from the Fig. 8, that the results of
proposed SVM models and obtained from simulations
are in a good harmony and MAPEs are achieved as
0.312% and 2.741% respectively for analysis (f;) and
synthesis (I) in the training process. The synthesis
problem is more nonlinear than the analysis problem,
therefore the MAPE calculated as a result of analysis is

lower than the MAPE of synthesis.

Ki(xr.x)

K:(x2x) V
Yy H
i Resonant |

H

i frequency

Ki(xsx)
Kofxu)
(@)
Ki(xr.x)

Ks(xx)

)

Ki(xn)
(b)

Fig. 7. The proposed SVM models: (a) for resonant
frequency, and (b) for slot size.

Table 3: The used SVM parameters for analysis and
synthesis of ETRMA

Models Parameters Set Type/Value
Kernel function Gaussian
Kernel function 28
coefficient (o)
Analysis | Penalty weight (C) 1000000
model Slack \_/arlables 0.001
(epsilon-¢&)
Number of input 4
Number of output 1
Kernel function Gaussian
Kernel function 13
coefficient (o)
Synthesis | Penalty weight (C) 1000000
model Slack yarlables 0.0025
(epsilon-¢&)
Number of input 4
Number of output 1
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Fig. 8. Comparative results of the simulation and SVM
models: (a) for analysis and (b) for synthesis.

IV. TESTING RESULTS OF ANALYSIS AND

SYTNHESIS PROCESS FOR ETRMA

In the last section, SVM models are constructed and
trained with properly parameters. The accuracies the
SVM models are now tested through 25 ETRMAS data
set not included in the training phase. As shown Figs. 9
(@ and 9 (b), graphical user interfaces (GUIs) are
designed in MATLAB® software to use the SVM
models for the antenna designer. Antenna designers be
able to use this GUISs practically in ETRMA analysis and
synthesis process.

A. Testing results of analysis process

The accuracy of the SVM-based analysis model for
obtaining the resonant frequency is tested through 25
ETRMAS data that is not utilized in training the model.
The parameters of 25 simulated antennas with respective
resonant frequency values and results of analysis model
are given in Table 4. It is seen from the results; model
successfully obtains the resonant frequency with MAPE
of 1.109%. Also the harmony of simulation and SVM
model results is seen in Fig. 10.

B. Results of synthesis process
The validity of the synthesis model based on SVM
for obtaining the slot dimension is tested through 25
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ETRMAs. The testing data set for the synthesis model
are not included in the training process. The parameters
of 25 simulated antennas and testing results of synthesis
model are given in Table 5. Although the problem of
obtaining slot dimension is a high nonlinearity problem,
the results of the SVM-based synthesis model are
harmony with the simulation results as shown in Table 5
and Fig. 11. The slot dimension with MAPE of 5.507%
is obtained by the proposed model.

4 SVM based analysis model for equilateral triangular ring printed antenna - x

34 mm

SYNTHESIS

Probe feed

Radiating patch  Substrate

(b)

Fig. 9. The screenshots for GUI of the SVM models: (a)
for analysis and (b) for synthesis.

5

—%— Simulation
—0— Analysis model

Resonant frequency (fr) [GHz]

10 15 20
Antenna number

Fig. 10. Comparative results of the simulation and
analysis model in the testing process.



C. Fabrication of ETRMA

The accuracy and validity of SVM analysis/
synthesis models are verified on the fabricated ETRMA.
ETRMA illustrated in Fig. 12 is printed on FR4 PCB
substrate of which dielectric permittivity, tangent loss
and thickness are 2.22, 0.02 and 1.6 mm, respectively.
All parameters related to the antenna are given in
Table 6. The prototyped antenna is measured by using
Keysight Technologies N5224A PNA network analyzer.
The measured Si; parameter is shown in Fig. 13 in
comparison with the simulated one. The results of
measured and the analysis/synthesis models are listed in
Tables 6 and 7 in order to evaluate the testing process in
detail.
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*— Simulation
—o0— Synthesis model

| 7x
it

Antenna number

Slot dimension [mm]

Fig. 11. Comparative results of the simulation and
synthesis model in the testing process.

Table 4: Data set of testing for resonant frequencies and obtained results

Outputs of Outputs of
Antenna Inputs Simulation [GHz] | SVM [GHz] | Absolute Percentage
Number Error (APE)
L[mm] | I[mm] | h [mm] &r fr_simulation fr_svm

1 26 6.88 1.6 2.33 4.614 4.599 0.325
2 26 10.32 1.6 4.4 3.261 3.254 0.227
3 26 13.76 25 2.33 4.365 4.338 0.625
4 26 3.44 25 4.4 3.401 3.441 1.179
5 26 17.2 2.5 4.4 3.198 3.195 0.102
6 34 5.16 1.6 2.33 3.576 3.585 0.253
7 34 10.32 1.6 4.4 2.538 2.543 0.188
8 34 25.8 1.6 4.4 2.130 2.114 0.773
9 34 15.48 2.5 2.33 3.278 3.279 0.031
10 34 10.32 25 4.4 2.544 2.575 1.223
11 34 20.64 2.5 4.4 2.309 2.342 1.446
12 52 25.8 1.6 2.33 2.030 1.964 3.245
13 52 34.4 1.6 2.33 1.856 1.821 1.874
14 52 8.6 2.5 2.33 2.368 2.378 0.430
15 52 25.8 2.5 4.4 1.536 1.524 0.784
16 69 25.8 1.6 2.33 1.616 1.614 0.114
17 69 51.6 1.6 2.33 1.280 1.277 0.209
18 69 34.4 16 4.4 1.110 1.139 2.589
19 69 344 25 2.33 1.536 1.552 1.035
20 69 25.8 25 4.4 1.210 1.189 1.734
21 86 60.2 1.6 2.33 1.030 0.981 4.709
22 86 43 1.6 4.4 0.870 0.878 0.936
23 86 51.6 25 2.33 1.150 1.136 1.208
24 86 34.4 2.5 4.4 0.950 0.957 0.789
25 86 60.2 2.5 4.4 0.790 0.803 1.685

Mean absolute percentage error (MAPE) 1.109
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Table 5: Data set of testing for slot sizes and obtained results

Antenna Inputs Outputs [mm] Absolute Percentage
Number Error (APE)
L[mm] | h[mm] & fr [GHz] | lsimulation Isvm

1 26 1.6 2.33 4.614 6.88 5.731 16.702
2 26 1.6 44 3.261 10.32 11.18 8.291
3 26 2.5 2.33 4.365 13.76 13.60 1.184
4 26 2.5 44 3.401 3.44 3.64 5.718
5 26 2.5 44 3.198 17.20 15.34 10.820
6 34 1.6 2.33 3.576 5.16 5.56 7.700
7 34 1.6 44 2.538 10.32 9.35 9.339
8 34 1.6 4.4 2.130 25.80 23.81 7.686
9 34 2.5 2.33 3.278 15.48 17.62 13.817
10 34 2.5 44 2.544 10.32 9.473 8.208
11 34 2.5 44 2.309 20.64 21.79 5.597
12 52 1.6 2.33 2.030 25.80 26.69 3.463
13 52 1.6 2.33 1.856 34.40 35.61 3.544
14 52 2.5 2.33 2.368 8.60 8.844 2.839
15 52 2.5 44 1.536 25.80 28.37 9.971
16 69 1.6 2.33 1.616 25.80 24.89 3.504
17 69 1.6 2.33 1.280 51.60 50.39 2.341
18 69 1.6 4.4 1.110 34.40 35.48 3.160
19 69 2.5 2.33 1.536 34.40 35.02 1.807
20 69 2.5 4.4 1.210 25.80 25.74 0.205
21 86 1.6 2.33 1.030 60.20 59.87 0.544
22 86 1.6 4.4 0.870 43.00 44.37 3.208
23 86 2.5 2.33 1.150 51.60 49.38 4.294
24 86 2.5 4.4 0.950 34.40 34.64 0.718
25 86 2.5 4.4 0.790 60.20 58.37 3.035

Mean absolute percentage error (MAPE) 5.507

——— Measurement
51 Simulation

Sy (dB)

20 22 24 26 28 3.0
(b) Frequencies (GHz)

Fig. 12. The photograph of prototyped ETRPA: (a) front Fig. 13. Si1 parameters of simulated and measured
view and (b) back view. prototyped ETRMA.



Table 6: The comparative results for resonant frequency
Resonant

Inputs Frequency [GHZz]
L [mm] I [mm] h [mm] Er fsim, fmea, fSVM
52 8.6 1.6 |222|2438|2.468|2.391
Table 7: The comparative results for slot size
Outputs
Inputs [mm]
L [mm] h [mm] &Er fr [GHZ] Imea, ISVM
52 1.6 2.22 2.468 | 8.600 | 8.427

From Tables 6 and 7, the results of SVM models are
much close to the simulated/measured results. Therefore,
the SVM models can be successfully used to obtain the
resonant frequency (f;) and slot size (I) of the ETRMAS
without handling sophisticated mathematical functions
and transformations. Moreover, the proposed models can
be modified or improved to use similar tasks of nonlinear
electromagnetic problems. The antenna designers can
use practically the proposed models for analysis and
synthesis of ETRMA.

V. CONCLUSION

In this work, two SVM models are implemented for
analysis and synthesis of the ETRMAs. A data set of 75
ETRMAs are used for training and the remainders 25
data set are utilized for testing the SVM models. The four
antenna parameters are input the model to obtain the
resonant frequency of ETRMA in the analysis process.
In this design process, synthesis is defined as the forward
side and then analysis as the reverse side of the problem.
At the output of the synthesis model, slot dimension of
ETRMA is also obtained by inputting length of antenna,
height/dielectric constants of the chosen substrate and
resonant frequency. The results achieved in this study
show that proposed SVM models can be successfully
used to obtain the resonant frequency and slot size of
ETRMAs with high accuracy. The SVM technique may
be preferred as a faster and accurate alternative methods
according to the traditional techniques in analysis and
synthesis processes of MAs.
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Abstract — Ring-focus dual reflector antennas have been
employed in various satellite communication applications
because of their higher gain and geometrical compactness
as compared to the conventional Cassegrain or Gregorian
counterparts. In this contribution the geometrical design,
full-wave analysis and testing of a ring-focus dual
reflector antenna based on axially displaced ellipse
(ADE) configuration are reported. The geometrical
design of this dual reflector system is conceived through
conic section formulations. An analytical methodology
based on multilevel fast multipole method (MLFMM)
accelerated method of moments (MoM) solution of
surface integral equations for open perfect electrically
conducting objects was developed for its RF performance
prediction. The distinctive nature of surface current
distributions of a ring-focus subreflector is investigated
and compared with that of a Cassegrain counterpart.
Finally, the developed procedure was applied to predict
the performance of a 35 wavelength ADE ring focus
antenna. A close agreement of predicted and measured
performance was observed which proves the validity of
our fast analytical procedure.

Index Terms — Axially displaced ellipse,
MLFMM, MoM, ring focus antenna, SATCOM.

EFIE,

I. INTRODUCTION

Design methods for efficiency enhancement and
sidelobes reduction in high gain antennas have always
been a topic of keen interest among antenna design
engineers. Increasing the gain of a communication
antenna directly increases signal to noise ratio and hence
the communication link can support increased data rates
[1]. However, since the antenna gain is proportional to
its effective area [2]; the trend towards compactness may
pose conflicting requirements. Consequently, the demand
for compact yet efficient aperture antennas is on the rise.

A ring-focus reflector antenna is an excellent
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candidate for high gain compact antennas. It has proved
its effectiveness in recent years particularly in SATCOM
on the move applications [1,3,4]. A ring focus subreflector
can be made several times smaller in comparison to that
of classical Cassegrain/Gregorian antennas. Similarly,
the feed horn can be placed closer to a ring focus
subreflector without experiencing detrimental blockage
effects [1]. The aperture efficiency of a ring-focus
antenna can exceed 80% due to its ray inversion features
[5,6]. In other reflector antenna configurations the
aperture efficiency is relatively less than that of a ring
focus design. Although, there exist few exotic designs,
e.g., top hat fed reflector antennas [7,8] which can
achieve a comparable efficiency. However, it takes
significant efforts to meet such a target. In such designs
the antenna bandwidth and its cross polarization
discrimination (XPD) become potential design concerns.

The geometrical design of a ring-focus reflector
antenna can be accomplished by using the necessary
design equations for a given set of known parameters and
can be found in literature [6,9,10]. However, in the work
presented here, a more fundamental approach has been
adopted to enable a better design insight and its direct
implementation in the GiD pre and postprocessor
software [11]. In this approach, primary conic section
definitions have been used to obtain the profiles of
main- and sub-reflectors. A macro was written to get the
complete surface model of a ring-focus reflector in a
single run.

When the multilevel fast multipole method
(MLFMM) accelerated method of moments (MoM)
solution of electric field integral equations (EFIE) [12-
19] is solved through an efficient MoM direct method
[20], the resulting solution is computationally efficient.
Our developed EM solver combines the above two
methods to achieve a computationally faster solution of
the presented ring focus antenna. This EM solver takes
as input the surface mesh which can be generated in GiD

1054-4887 © ACES
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software. Using our EM solver we investigated the
distinctive nature of the surface current density on the
presented ring-focus subreflector for its effects on the
overall radiation performance.

In Section Il the geometrical design of a ring-focus
reflector from the basic conic section formulations is
presented. Section Il provides an overview of the
formulation followed in the full-wave analysis of the
designed reflector antenna. The developed EM solver
was used to predict the performance of a 35 wavelength
diameter ring focus antenna which is compared with the
measured radiation patterns in Section IV. Section V
concludes the work being presented in this paper.

I1. GEOMETRICAL DESIGN OF A RING-
FOCUS REFLECTOR

A ring-focus dual reflector antenna system based on
axially displaced ellipse (ADE) configuration [5,10] is
shown in Fig. 1. Due to geometrical optics (GO) an axial
ray originating from the feed horn travels towards the
main reflector’s outer rim after a reflection from a
ring focus subreflector. Whereas a ray arriving at
subreflector’s outer rim travels towards the central
portion of the main reflector which is contrary to
classical Cassegrain/Gregorian designs. This is known as
the ray inversion phenomena of a ring-focus antenna.
The whole geometry presented in Fig. 1 is rotationally
symmetric about the axis of symmetry (z-axis here).
Geometries of main and sub-reflectors can be generated
by using the following mathematical treatment.

It is usual to start the antenna design by knowing
certain parameters [10]. The gain requirement of an
antenna determines its aperture, where the diameter of a
subreflector is selected a few percentage of the main
reflector’s diameter. Focal length is mainly decided by
the accommodation space available for the antenna,
although longer focal lengths lead to a better XPD. In the
work presented here, it is assumed that the diameter of
main reflector (D,,), diameter of subreflector (D;), focal
length of the main reflector (F,,) and the location of feed
phase center (F) as shown in Fig. 1 are already known.
It is to be noted that an elliptical subreflector possesses
two foci. One of these coincides with the main reflector’s
focal point. Whereas the second focus is made coincident
with the feed phase center for an optimum performance.
In the equations given below, P, (say) represents a point
on the main/subreflector and (xp,, zp) represent it’s x
and z coordinates respectively.

The profile of a parabolic main reflector can be
generated by the basic equation of a conic section:

(x—DS/2)2 Ds

= 2= =< <
z 4Fm’z_x_ M

Keeping in view the ray inversion phenomenon, where

ray Fs,S; will travel along S, Fg, M, after reflection at S;,
the point S; can be determined from equation of a

Dm
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straight line. Thus, knowing xg; = 0; the z-coordinate of
S, can be written as:

Zm2 — ZF,
Zsy = Zp, + —= (xs1 - szz)- (2)
Xm2 — XFg,

v

Parabolic
main reflector

v

Elliptical
subreflector

Fig. 1. Geometry of a ring-focus dual reflector antenna.

The semi-major axis “a” of an ellipse can be calculated
from its basic property:
Fs1S:| + |F,S
a=|511|2|521|. (3)
Once “a” is determined, the set of points representing a
subreflector can be constructed using quadratic
equation’s solution of an ellipse:

— D
[FaPl + [FiPl = 2.0 < xpg < = (4)
Therefore, the solution of (4) for z,_ can be expressed

as:
— i 2 _ 4_
py = N AT ©)
where
a=4 [(Za)2 — (g, — ngl)z], (5a)
B = 4[8(zes, = 285,) — 8a’zrg,], (5b)
Yy = 1661.2 [(ZFsz)z + (xPS - szz)z] - 62’ (SC)

where § = 4a® + (ZFsz)z - (ZFsl)Z + (xps — szz)z -

(xps — szl)z. (5d4)

Corresponding to each x,,, Equation (5) generates
two values of zp,, and ADE geometry can be obtained
by using positive discriminant in Equation (5) which
corresponds to right-sided (solid) curve of the ellipse as



shown in Fig. 1. Once the 2-dimensional profiles of main
and sub-reflectors are obtained, the 3D surface model
can be obtained by rotating these profiles around the z-
coordinate (see Fig. 1). The locus of the main reflector’s
focal point (and its coincident subreflector focal point)
traces a ring in 3D due to this rotation and hence the
name ring-focus.

I1l. ANALYSIS OF RING-FOCUS
REFLECTOR ANTENNA USING MLFMM
ACCELARATED MOM SOLUTION OF EFIE

The MoM solution of surface integral equations is
a well-known powerful numerical tool for solving
electromagnetic problems [12-13]. For the analysis of
our ring-focus reflector antenna, electric field integral
equations (EFIE) which couples the incident electric
field to induced current density on an arbitrary shaped
surface has been taken into consideration. In this
formulation, the surface S of the ring-focus reflector
antenna is replaced by equivalent surface electric current

density]_s’ which radiates the electric and magnetic fields

(E,H) in free space. Js can be obtained by solving [12-
16]:

A x [ax{[f, [GFG.#).Js@]ds’ + En(#)}] = 0, (6)
where E™¢(#) is the incident electric field, A is the
outward directed unit surface normal and 5}’7(7,?’)
represents the free space dyadic Green’s function. To
solve the integral equation (6), fs(f”) (unknown surface
current densities) is expanded using a set of basis

functions as:
N
Js= D Infa- (60)
n=1

In this work, the Rao-Wilton-Glisson (RWG) [17]

functions associated with the common edge 12 of the
triangle pair shown in Fig. 2 were chosen as the basis
functions which are expressed as:

-

fn =7 X (A;VA;, — A,VA)). (6b)
A graphical representation of RWG basis functions is
reproduced from [16] in Fig. 2. Interested readers may
refer to [13,16,17] for the nomenclature of symbols used
and further details on the integral equation. Application
of Galerkin’s procedure [13-16] with same basis and
weighting functions transforms the surface integral
Equation (6) into a system of linear equation of the form
[12-16]:

[Z]{x} = {b}, (7
where{x} is the unknown surface current density, {b} is
the excitation vector and [Z] is the coupling matrix. The
mn'™ element of [Z] is given by [14,16]:

P D

Zn==ig= ). ) B -G ®

p=0q=-p
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where

)| e,
g)gq] B # g:)m(et ¢)

fn and g, are the k-space basis and weighting functions
respectively and Y,, are the orthonormalized spherical
harmonics. In the above equations X* represents the
complex conjugate of X. The coupling matrix [Z] is fully
populated and system of linear Equation (7) becomes
computationally complex for electrically large problems.
A use of numerical acceleration techniques (e.g.,
MLFMM) can reduce the computational complexity of
Equation (7) from O(N?3) for traditional MoM down
to O(N*®log N) for single level FMM and O(N log N)
for MLFMM [13,19]. Moreover, as reported in [14,16]
the abovementioned spherical harmonics expansion
based multilevel fast multipole method (SE-MLFMM)
accelerated solution of Equation (7) provides considerable
amount of memory saving without compromising
accuracy and the numerical speed.

Yy, (0, 9)dR%, (9

Fig. 2. WG vector basis/weighting functions for domain
discretization of the electric field integral Equation (6).

In the multilevel fast multipole algorithm, the
domain under consideration is enclosed in a large box,
which is divided into eight smaller boxes. Each sub-box
is then recursively subdivided into further smaller boxes
until the side length of the smallest box is around
one-half wavelength [13]. The interaction among the
transmitting and receiving basis vectors residing in same
or nearby smallest boxes is computed using conventional
MoM. However, coupling contribution among those
vectors residing in far apart boxes is calculated using
MLFMM. During MLFMM, the fields radiated by
different basis functions (shown with solid black arrows
in the boxes on the right side of Fig. 3) within a box are
first ‘aggregated’ into a single center. This box center
then acts as the radiation center. The contribution of all
radiation centers is recursively aggregated to another
radiation center at the higher level. These radiated fields
are then received firstly by the centers of the other boxes
and then redistributed to the weighting functions (shown
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with solid black arrows in the boxes on the left side
of Fig. 3) belonging to the same box —so called
‘disaggregation’ process. Figure 3 demonstrates MLFMM
process in a pictorial form. For more details on the
numerical solution to EFIE, interested readers may refer
to [13-19].

K mman D

Disaggregation Translation Aggregation

Fig. 3. Pictorial overview of MLFMM.

IV. RESULTS AND DISCUSSION

The EM solver software realized through this
research was used to predict the RF performance of a
Ku band ring-focus antenna system with main and sub-
reflector diameters of 760 mm and 110 mm respectively.
Two foci of elliptical subreflector were located at
Fs;(x =0,z = 226.6) mm and F,(x = 55,z = 280)
mm in accordance with Fig. 1. A corrugated feed horn
was used to illuminate the subreflector with -18 dB edge
taper. GiD was used to obtain the planer triangular
surface mesh of the whole structure including feed
horn and subreflector supports. On average the linear
dimensions of the triangular domain were of the order of
A8 which generated around 1.4 million unknowns. The
resulting matrix-vector product took around 3 hours
and 40 minutes on a HP Z800 Intel® Zeon® X5690 @
3.47 GHz dual processor with 32 GB of RAM to converge
to a residual error of 8 x 10™* which is extensively
faster in comparison to general purpose commercially
available 3D EM solvers.

EM solver predicted results are shown in Fig. 4 at
an operating frequency of 13.75 GHz. These numerically
computed results took into account the feed interaction
and strut losses. A peak directivity of 38.1 dBi, around
-12 dB down sidelobes and slant plane on-axis XPD
better than 50 dB were predicted by our EM solver as
listed in Table 1.

A prototype model of the designed ring focus
antenna was manufactured and measurement results are
compared with EM solver predictions in Fig. 5, where
the developed reflector antenna can be seen in the inset.
The measured results are in excellent agreement with
EM solver predicted results in the main lobe and up to
around 20 dB below the peak value. A close agreement
between simulated and measured performance parameters
of interest is evident from Table 1. Particularly in
sidelobe regions the disagreement in predicted and
measured results is mainly due to a big metallic antenna
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support structure used to hold the antenna on the test
positioner in the anechoic chamber. This structure was
not modelled in the EM solver.

0
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Normalized radiation pattern (dB)
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Fig. 4. Predicted performance of a 35 wavelength
aperture diameter ring focus reflector antenna.
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Fig. 5. Comparison of simulated and measured radiation
patterns of the ring focus reflector. Inset shows the
developed ring focus reflector antenna under test in an
anechoic chamber.

Table 1: Summary of simulated vs. measured performance
parameters

Simulated Measured

Parameter Value Value
Peak gain 38.1 dBi 37.9 dBi
1%t Sidelobe level -12.1dB -12.6dB
Slant plane on-axis XPD -50dB <-30dB

Additionally, during measurement process this
metallic support structure was not covered with
absorbers which resulted in higher far sidelobe levels.
The difference in predicted and measured cross
polarization levels is mainly due to the measurement
accuracy of the anechoic chamber. It is also worth
mentioning here that the feed horn used in this research
was a multimode feed horn supporting TE11 and TEx
modes for communication and tracking respectively.



There was also a coupling of TE»; degenerate modes
observed in the feed assembly design which further
lowered the cross polarization. Measurements using a
pure mode feed horn provided a better XPD of around
35dB.

The equivalent surface current densities J5 on the
ring-focus subreflector as well as on an exemplary
Cassegrain subreflector were computed using the method
described in Section Ill. Resulting current densities
in both cases are shown in Fig. 6. For Cassegrain
subreflector the central region exhibits higher amplitudes
of the equivalent surface current density. In contrast, in
the central region of a ring-focus subreflector very
weak amplitudes of current density are observed. Weak
surface current density in the central region of a ring
focus subreflector may be attributed to the apex geometry
along the axis.

2 Alm

0 A/m

Cassegrain subreflector Ring focus subreflector

Fig. 6. Numerically computed surface current densities
on Cassegrain and ring focus sub-reflectors.

It is to note that intense current densities in the
central regions of a Cassegrain subreflector cause
radiations towards the feed horn. These reflected
radiations in the feed horn can degrade its reflection
performance therefore, resulting in an overall gain
degradation.

It was found through numerical simulations as well
as measurements that a hole in the center of a ring focus
subreflector has no significant impact on the overall
antenna performance. This distinctive attribute of weak
surface current density in the central region of a ring
focus subreflector can be exploited to cancel radiations
in certain directions e.g. to reduce the antenna sidelobe
levels [21]. The inactive part of a subreflector can be
removed and replaced by a dielectric lens antenna with a
hyperbolic profile such that the waves passing through
the lens antenna become 180° out of phase with those
reflected by the main reflector in that particular
direction.

V. CONCLUSION
A new formulation for the design of a ring-focus
reflector antenna based on conic section definitions was
conceived through research presented in this paper. This
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enabled a significant design insight and a direct CAD
model creation using GiD. A fast EM solver package was
developed through this research based on SE-MLFMM
accelerated MoM solution of the electric field integral
equation. The developed EM solver was validated
through a comparison with measurements of a 35\ ring
focus antenna. The distinctive feature of a ring focus sub
reflector’s surface current density was investigated. This
will open new research areas for antenna radiation
cancellation in certain directions.
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Abstract — A novel bandwidth enhanced compact
microstrip antenna for wireless body area networks
(WBANS) applications is designed by loading zeroth-
order resonator (ZOR) structure. The broadband was
realized by combining the ZOR resonant frequency
with the microstrip patch resonant frequency. The patch
dimensions of the antenna are 0.2124¢ % 0.310/c % 0.027/c,
where Jc is the wavelength of the lower cutoff frequency.
By using the ZOR, the bandwidth of the proposed
antenna increased by 150% compared to the reference
microstrip antenna. The proposed antenna was fabricated.
The measured and simulated the -10 dB |S11| bandwidth
are 5.5% (2.352-2.485 GHz) and 6.7% (2.320-2.481 GHz),
respectively. Thus, the antenna covers the medical BAN
(MBAN) band (2.36-2.4 GHz) and the 2.4-2.48 GHz
Industrial, Scientific and Medical (ISM) band. From the
simulated and measured results, both the microstrip
patch mode and the ZOR mode of the proposed antenna
radiate uni-directionally. The gains of the antenna are
2.56 dBi and 4.54 dBi at the ZOR mode and microstrip
patch mode, respectively. The off-body characteristics
of the antenna were investigated and compared with the
free-space characteristics. As the antenna was mounted
as off-body, the simulated and measured impedance
bandwidths of the antenna are 5.5% (2.352-2.484 GHz)
and 4.7% (2.35-2.465 GHz), respectively. Although the
bandwidths are reduced, the ISM band and the MBAN
band are still covered. Though the antenna with tissue
backing has increased back radiation, good uni-
directionally radiation patterns are also observed. The
robust off-body performances reveal that the proposed
antenna is a good candidate for WBAN applications. In
addition, to evaluate its safety for brain activity detection,
the electromagnetic radiation energy of antennas was
considered and the safety performance of the antenna is
studied by measuring the value of specific absorption
rate (SAR).

Index Terms — Band-width, brain activity detection,
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compact, off-body performance, SAR, wireless body-
area network (WBAN), ZOR.

I. INTRODUCTION

In recent years, tremendous advancements have
been developed in the field of body area network (BAN)
electromagnetics, and revolutionary functionalities were
achieved for the health monitoring, patient tracking,
physiotherapy, wearable computing, battlefield survival,
the Internet of Things (1oT), and so on. Thereby, BAN
technology holds great promising for the revolutionizing
of many aspects of the daily life of human beings [1-4],
such as real-time online healthcare, patients can be
tracked and monitored in normal or emergency
conditions at their homes, hospital rooms, and in
Intensive Care Units (ICUs). Typically, the type of
communication within a WBAN can be classified into
three modes, including on-body, in-body (or sometimes
called through-body), and off-body communications
[5]. Thus, the antennas applied on the WBAN require
radiation pattern normal to the body surface and a smaller
size. The frequency bands for BAN communication
systems mainly include the 402-405 MHz Medical
Implant Communication Services (MICS) band [5-6]
that are primarily used for on-body and through-body
communications, the 2.4-2.48 GHz Industrial, Scientific,
and Medical (ISM) band [5, 7] as well as the 3.1-10.76
GHz Ultra-Wide Band (UWB) range [5, 8] that are
primary used for off-body communication, and the
medical BAN (MBAN) band that operates from 2.36 GHz
to 2.4 GHz [5, 9]. As a vital component of WBAN, the
antenna is very close to the human body, and it is
required with the characteristics of lightweight, low
profile and small size [3]. However, the performances
of an antenna could be impaired by the loading effect of
the loss of the tissue. Many antennas have been studied
for WBAN applications, including monopole antennas
[10], inverted-F antennas [11-12], microstrip patch
antennas [13], artificial magnetic conducting surface
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backed antennas [14] and so on. In [10], the vertical
monopole antennas with narrow band and high-profile
are studied for on-body communications. Reference [11]
presents a broadband textile planar inverted-F antenna
(PIFA), and [12] presents a dual-band Sierpinski fractal
PIFA, and the antennas require complex 3-dimensional
and thicker structures. Reference [13] utilizes microstrip
patch antenna to statistical analyze the performance of
on-body radio propagation, and the antenna is narrow
bandwidth. In [14], a dual-band coplanar patch antenna
integrated with an electromagnetic band gap substrate
is described. The electromagnetic band-gap (EBG)
substrate provides a high isolation between the antenna
and human tissue, and the antenna covers the 2.45 GHz
and 5.8 GHz wireless bands. However, the antenna still
suffered from low front-to-back ratio (FBR). To obtain
further compact antenna size, a novel zeroth-order
resonance (ZOR) antenna with a spiral slotted ground
plane was proposed in [15]. Though, the antenna in [15]
is miniaturized, its bandwidth is very narrow. Moreover,
multiband and broadband antennas are preferable options
for multiple functions [16-17]. In [17], a miniaturized
omnidirectional antenna has two bands, the 403.5 MHz
for medical implant communication services (MICS) and
the 2.45 GHz for industrial, scientific, and medical (ISM)
applications. However, the antenna has complicated
structure and increased profile as it consists of two-
stacked center-fed circular patch over a circular ground
plane. In recent years, the wearable technology has been
developed rapidly [18], then, the public is paying more
and more attention to the electromagnetic radiation
problems of wireless terminals. Under the action of
electromagnetic field, the body will produce induction
electromagnetic fields as various organs are lossy
medium, which lead to electromagnetic energy absorption
and dissipation, and then, it is necessary to study the
specific absorption rate (SAR) value to evaluate the
security performance of the wireless device [19].

The traditional microstrip antennas were widely
used because they have many advantages of other
antennas, such as low profile, light weight, low cost and
easy construction [20]. However, the microstrip antennas
have a shortage of narrow bandwidth (typically 2%),
and the narrow bandwidth could be a limitation for
its applications in WBAN. In order to overcome the
shortcoming of narrow bandwidth, bandwidth broadening
microstrip antenna technologies had been studied. The
most common methods for increasing the bandwidth
of the microstrip antenna are shown as follows. The
technique of low Q value by low permittivity (air gap),
thick substrate and capacitive feeding are used to enhance
bandwidth [21], [22]. Multi-layer structure technology
and fold structure technology in [23] and [24] lead to
high profile and complex structure. Metamaterials in
[25] greatly increase the bandwidth of the antenna. In
[26], new zeroth-order resonators (ZORs) were utilized
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as parasitic elements to enhance bandwidth of the
microstrip antenna. By utilizing one, two and three
resonators, extra corresponding numbers of resonances
were generated, by merging the resonances of the
resonators with that of the microstrip antenna, the
measured impedance bandwidth can be increased from
56 MHz of the reference microstrip antenna to 101, 120,
and 133 MHz of the ZORs loaded antennas. However,
the parasitic elements lead to antenna size enlargement.

In this article, a novel ZOR-loaded compact
microstrip antenna with enhanced bandwidth was
proposed for the ISM/MBAN bands and for the
brain activity detection in this paper. The wideband
performance is achieved by combining the ZOR
resonance with the microstrip patch resonance. As the
ZOR structure is placed in the interior of the microstrip
patch, the antenna size is unchanged with operational
frequency decreasing, and the microstrip patch mode
still operates good performances. The proposed antenna
was measured both in free space and with pork, and
reliable off-body performance is achieved. The ZOR
antenna has a 150% increasing in the bandwidth
compared to the microstrip antenna. In free-space, the
simulated and measured -10 dB |Si1| bandwidths are
6.7% (2.320-2.481GHz) and 5.5% (2.352-2.487GHz),
respectively. As the antenna was mounted as off-body,
the simulated and measured impedance bandwidths
of the antenna are 5.5% (2.352-2.484 GHz) and 4.7%
(2.35-2.465 GHz), respectively. Thus, the antenna meets
the MBAN band and the ISM band. The gains at the
ZOR mode and microstrip patch mode of the proposed
antenna were 2.56 dBi and 4.54 dBi, respectively. In
our previous researches for the brain activity detection,
antennas were required to radiate face to the head [27-
29], and electromagnetic safety would be an issue.
Then, (SAR) values of the antenna were calculated by
installing the antenna around a human head. Research
found that, the antenna radiation meets the health and
safety requirements with very small SAR as its
backside face the head. While the antenna is installed
with its front side face to the brain, 28 mm distance
between the brain and the antenna is required.

I1. ANTENNA DESIGN AND ANALYSIS

The configurations of the proposed antenna as
well as its equivalent circuit were shown in Fig. 1.
The proposed antenna consists of two components, a
microstrip patch fed by coaxial probe and a ZOR
structure embedded in the microstrip patch. The antenna
has a substrate dimensions 50mm x 60mm x 1.6mm
(0.384/c¢ x 0.4614c x 0.027/c) and the size of the patch
is 28mm x 40mm x 1.6mm (0.2124c¢ % 0.3104¢ x 0.027Ac).
The ZOR's size is only 9mm x 10mm (0.069/c x 0.0764c).
Owing to the zero phase constant (5=0) feature of the
ZOR, its size can be very small. Then, the ZOR was
embedded in the patch, which makes the size and



profile of the proposed antenna is not increased with
bandwidth increasing. In this configuration, the bend
line acts as a series inductance Lg and the gaps between
bend line and the patch generates series capacitance Cy.
Since the Q-factor of the resonator is determined by
the series inductance and capacitance, the resonant
frequency of the ZOR is related to the bending line and
the gaps. The proposed antenna was fabricated on a
FR4 substrate with a permittivity of 4.4 and thickness
of 1.6 mm. The parameters of the antenna are shown
below: Lo=50mm, W,=60, L=28, W=40, a=9, b=10,
T=4.5, m=3.3, H=2, d=0.6, L4=0.6, S=4 (unit: mm).

Fig. 1. Configurations of the antenna and its equivalent
circuit.

The impedance matching characteristics of the
proposed antenna and the reference microstrip antenna
(RMA) were compared as shown in Fig. 2. It can be
clearly seen that the proposed antenna has an extra
ZOR resonance compared to the RMA. Then, the
bandwidth of the proposed antenna is increased by
150% compared to the RMA, which completely covers
the MBAN and band the ISM band.
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Fig. 2. The simulated |S11| of the proposed antenna and
RMA.

ZOR resonances include mu-zero resonator (MZR)
and epsilon-zero resonator (EZR) that related to the
series and shunt tanks of a composite left and right hand
transmission line (CRLH-TL) as shown in Fig. 3 [30-
32]. Equations (1) and (2) are the resonant frequencies
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of the series and shunt tanks, respectively:
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And the constitutive parameters of the CRLH TL are
calculated by Equations (3) and (4):
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It is found from Equation (3) that the permeability
w is determined by the series tank and it equals zero at
the resonance wse. From the Equation (4), the permittivity
& equals zero at the resonance wsn. That mean MZR is
corresponded to « = 0, and EZR is related to & = 0.

Fig. 3. The equivalent circuit of CRLH-TL.

To verify the ZOR feature of the embedded
resonator, the constitutive parameters of the resonator
were retrieved by a Kramers-Kroning relationship
based metamaterial parameters extraction method [33].
The retrieved method requires the calculation of S
parameters. Then, an appropriate simulation model is
required to explore the ZOR. As demonstrated in the
inset of the Fig. 4, a microstrip line based model was
built. A microstrip line has similar field distributions to
a microstrip antenna, then, microstrip line based model
imitates the operational environment of the ZOR in
the microstrip antenna. The microstrip line model used
the same substrate as the designed antennas. Figure 4
exhibits the constitutive parameters curves of the ZOR.
As shown in the figure, resonance is occurred for the
ZOR as large mutations is happened for the effective

permittivity (ererr) and effective permeability (urer) curves.

For the ZOR, the & iS positive in the whole operating
band. While the urf obtains zero value around 2.35. It
can be judged that the embedded structure is a ZOR
(MZR) resonator.
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Fig. 4. The simulated dielectric constant and permeability
of ZOR structure.

To further reveal the resonances, the impedance
curves and the electric field intensity distributions of
the proposed antenna were plotted in Fig. 5. From Fig.
5, the antenna has two resonant points. The lower one is
the ZOR resonance and the higher one is the microstrip
patch resonance. The two resonant points merge with
each other wand imply a wide impedance bandwidth.
The electric field intensity distributions for the two
resonances of the antenna were demonstrated as insets
in Fig. 5. At the lower resonance, the electric field is
mainly concentrated on the bending line (ZOR structure).
At the higher resonance, the electric field is mainly
focused on the microstrip patch.

Z-parameters(€2)

2.0 2.2 2.4 2.6 2.8
Frequency(GHz)

Fig. 5. The electric field intensity distributions and
impedance curves of the proposed antenna.

The antenna was fabricated on a 1.6-mm-thick FR4
substrate with a dielectric constant of 4.4 and loss
tangent of 0.02. A photograph of the fabricated antenna
is shown in Fig. 6 (a). The simulated and measured Sy
of the proposed antenna is shown in Fig. 6 (b). It can
be clearly seen that the simulated result is in good
agreement with the measured one. Both the measured
and simulated -10 dB |S11| bandwidth cover the MBAN
band (2.36-2.4 GHz) and the ISM (2.4-2.48 GHz) band
completely. In free space, the measured and simulated
bandwidths are 133 MHz (2.352-2.485 GHz) and 161
MHz (2.320-2.481 GHz), respectively.
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Fig. 6. Photograph of: (a) the fabricated antenna, and
(b) the simulated and measured |S11] in free space.

To further investigate the characteristics of the
proposed antenna and reveal the independently
adjustment of the resonant frequencies, parametric studies
were conducted. As shown in Fig. 7, the parameters T
and H; were swept. From Fig. 7 (a), by increasing the
parameter T from 4mm to 5.5mm with a step of 0.5mm,
the resonance point of ZOR reduce from 2.50 GHz, to
2.35 GHz, 2.25GHz and 2.15 GHz, while microstrip
antenna resonant point (MPR) is almost unchanged.
Similarly, from Fig. 7 (b), as the height H; of the ZOR
structure increased from 2mm to 3mm with a step of
0.5mm, the ZOR resonant point of the antenna decreased
from 2.35 GHz, to 2.30 GHZ and 2.26 GHz, while the
MPR was little affected. Thus, it is confirmed that the
ZOR resonant point is affected by the parameters of
ZOR structure, and the resonant frequencies can be
adjusted independently.

S 1dB)

-25 =B T=4mm
—— T=4.5mm
-30 —& T=5mm
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Frequency(GHz)
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Fig. 7. The simulated |S11| for antenna parameters: (a) T
and (b) H..




11l. ANTENNA OFF-BODY PERFORMANCE

The off-body performances of the antenna was
analyzed and compared to the free space performances.
In particular, the antenna was simulated under the
human equivalent tissue and measured with human arm
and pork.

To analyze the off-body performance of the
proposed antenna with simulation, the equivalent
environment of human tissues should be used. The
physical electrical parameters of the human body (tissue)
were shown in Table 1 [34-35]. The relative dielectric
constant e and loss tangent of human tissue decreased
with the frequency increasing. However, the relative
conductivity ¢ increased as the frequency increasing
[35]. As the proposed antenna is working at 2.36-2.4 GHz
(MABN) and 2.40-2.48 GHz (ISM) bands, the equivalent
physical electrical parameters of the tissue in 2.38 GHz
and 2.45 GHz were presented in Table 1.

Table 1: Physical electrical parameters of the tissue [34,
35]

Target Muscle
Frequency | Conductivity Relative Loss
(MH2z) [S/m] Permittivity | Tangent
402-405
(MICS) 0.797 57.106 0.622
600 0.850 55.960 0.455
2360-2400
(MBAN) 1.689 52.820 0.242
2400-2480
(ISM) 1.722 52.760 0.241

In this research, the electrical parameters of the
equivalent arm muscles were selected. The equivalent
human muscle tissue size is 2100mm x 150mm x 50mm.
The proposed antenna has a 5mm distance from the
tissue to imitate the off-body environment [36]. As the
tissue parameters are different for the MBAN and the
ISM bands, two equivalent models were established as
shown in Fig. 8. In Fig. 8 (a), the equivalent electrical
parameters are £=52.820, 0=1.689s/m, tan §=0.242
for the MBAN band. While in Fig. 7 (b), the physical
electrical parameters of the tissue are &=52.760,
0=1.722s/m, tan 6=0.241 for the ISM band.

The results of the simulation and measurement of
the fabricated antenna on the free-space and off-body
were plotted in Fig. 9. As shown in the figure, in free-
space, the simulated and measured |S1| are 2.320-2.481
GHz and 2.352-2.485 GHz, respectively. As the antenna
was mounted as off-body, the simulated -10 dB |Sy]
band is 2.325-2.475 GHz with tissue parameters set at
the MBAN band as shown in Fig. 8 (a), while the
simulated -10 dB |Si11| band for tissue parameters set at
the ISM band as shown in Fig. 8 (b) is 2.352-2.484
GHz. Then, both the simulated -10 dB |S11| bands for
the tissue parameters settings almost cover the MBAN
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and the ISM bands. The measured -10 dB [Syi| band
with the antenna above an arm is 2.35-2.465 GHz. It is
found that two resonances were observed for both the
free-space and off-body environments.
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Fig. 8. The model of the proposed antenna and
equivalent muscle tissue: (a) at the MABN, and (b) at
the ISM.
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Fig. 9. Simulation and measured |S11| in free-space and
the equivalent tissue.

The radiation patterns of the proposed antenna
were measured by the NSI2000 system in a microwave
anechoic chamber as shown in Fig. 10 (a). Both the
patterns in free-space (air) and off-body (pork) were
measured [37]. Only half space was measured due to
the limitation of the NS12000 system, and it is enough
to verify the simulated results. Radiation patterns of
the fabricated antenna were measured at the resonant
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frequencies of 2.38 GHz (ZOR) and 2.45 GHz (MPR)
as shown in Figs. 10 (b) and (c). The simulated results
were also plotted in the figures for comparison. The
simulated and measured results show reasonable
agreement. As shown in Fig. 10 (b), at 2.38 GHz, the
simulated and measured E-plane (xoz-plane ¢=0) and
H-plane (yoz-plane ¢=90°) have good uni-directionally
radiation patterns for both the free-space and off-body
environments, though the back radiation for off-body
environment is larger. At 2.45 GHz, the radiation
patterns are similar to 2.38 GHz as shown in Fig. 10 (c).
As the size of the ZOR structure is very small, its
antenna gain is 2.56 dBi at 2.38 GHz, while the antenna
gain for the MPR frequency (2.45 GHz) is 4.54 dBi. In
Fig. 10 (d), the antenna efficiency of the RMA is larger
than 80%, and the antenna efficiency of the proposed
antenna is not bad in the band, such as 70%, though the
efficiency drops a few near the ZOR mode. It is clear
from Fig. 10 that the proposed antenna maintains good
radiation performance both in free-space and off-body.
The proposed antenna has relatively stable uni-directional
radiation patterns under different environments. The
robust off-body performances reveal that the proposed
antenna is a good candidate for WBAN applications.
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Fig. 10. Simulated/measured radiation patterns in the
E-plane and H-plane in free-space and off-body: (a)
measurement environment, (b) 2.38 GHz, (c) 2.45 GHz,
and (d) efficiencies.

In recent years, there are many studies aiming at
abnormal tissue detection such as early breast cancer
detection and stroke detection [38, 39] and brain activity
detection [27, 28, 29]. For these applications, the SAR
level of the antenna needs to be analyzed in the design
stage to ensure that the safety limit is obeyed. According
to the guidelines of the FCC and the CNIRP, the SAR
must not be larger than 2 W/kg averaged over 10g and
not greater than 1.6W/kg averaged over 1g of human
tissues [40, 41]. The calculated equation for SAR is:

d, dw, d, dw ) 5)

SAR = — (—0) = — (——
ot Cam’ dt(pdV

where W is radiative energy, m is r mass, V is volume
and p denotes density.

SAR is divided into local SAR and mean SAR. In
general, we focus on local SAR, and local SAR values

can be obtained by:

saR=2E (6)

P
o is the conductivity, E is the electric field intensity,
p denotes density.

The input power of 1W is selected as a benchmark
to calculate the SAR. The calculation of the SAR and
electric field intensity were conducted by the HFSS
software. Figures 11 (a) and (b) describe the distribution
of electric field intensity for the antenna back size and
front size to the antenna, respectively. The SARs with
the back size and front size of the antenna to the head
were plotted in Figs. 12 (a) and (b), respectively. As
shown in Fig. 11 (a) and Fig. 12 (a), when the antenna
was back to the brain, the SAR values of the antenna
are much smaller than the safety requirement. As shown
in Fig. 11 (b), more electromagnetic energy radiates
into the brain when the antenna front size to the brain.
As shown in Fig. 12 (b), the distance between the
antenna and the brain should be larger than 28mm to
meet the SAR safety standard.
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Fig. 12. The antenna of SAR in different situations of
the simulation: (a) back and (b) face.
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IV. CONCLUSION

In this paper, a novel compact bandwidth enhanced
microstrip antenna is designed by loading zeroth-order
resonator. The ZOR structure was embedded in the
microstrip patch, and the bandwidth of the antenna
increased as the adding ZOR resonance. The bandwidth
of the antenna increased by 150% compared to the
RMA, and it is wide enough to meet the MBAN band
and the ISM band. The proposed antenna performances
such as reflection characteristic and radiation patterns
are examined both in free-space and off-body
environments. Robust measured off-body performances
were achieved and agree well with the simulation
results. The gains of 2.56 dBi and 4.54 dBi were obtained
at ZOR frequency and MPR frequency, respectively.
The broadband, uni-directional and miniaturization are
major advantages that make the proposed antenna
can be well applied to WBAN systems. The SAR
characteristics of the antenna were also discussed for
brain activity detection.
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Abstract — In this paper, a model is presented to
calculate the electromagnetic shielding effectiveness of
two cascaded wire-mesh sheets with glass substrate.
The model is based on transmission line theory for
calculating the equivalent sheet impedance of each wire-
mesh screen. The total shielding effectiveness for the
sheets is obtained based on transmission matrix method.
The wire-mesh screen is numerically simulated as a unit
cell with periodic boundary conditions in order to verify
the analytical results. It is shown that the shielding
effectiveness is decreased by increasing the operating
frequency. Also, it is shown that the total shielding
effectiveness of the double wire-mesh layers is
satisfactory high compared with single sheet shielding.
The proposed structure is highly attractive for different
shielding applications due to its lower cost, reduced
weight and optical transparency compared to metallic
sheets. The model results are compared with
measurements. Good agreement between the analytical
model and the measurements results is obtained.

Index Terms — Electromagnetic shielding, transmission
line theory, wire-mesh screens.

I. INTRODUCTION

The increased usage and wide spreading of
electronic equipment in communications, broadcasting
and other purposes have led to a lot of Electromagnetic
Interference (EMI) problems [1-12]. The cause of the
EMI can be due to telecommunications towers, radar
stations with high radiated power and wireless systems
which emit electromagnetic waves [10-11]. One of the
main concerns which should be considered for protection
from EMI is the threat of Intentional Electromagnetic
Interference (IEMI) [12-13]. IEMI is the intentional
usage of high electromagnetic energy to cause damage
to the electronic systems and is considered a big threat
to critical infrastructure [14]. Another concern for people
who need to work at a certain frequency band is likely
to experience severe electromagnetic interference from
external sources which is difficult to suppress it [15].
Also, people who are living in the vicinity of
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telecommunication mobile stations are exposed to high
electromagnetic power which can cause dangerous
health problems [6-9]. To ensure that electronics devices
operate well in the presence of external electromagnetic
interference, shielding is required especially for such
areas with devices which are highly sensitive to external
interference such as military systems, radar stations,
and hospital medical electronic devices [16-17].
Electromagnetic shielding can be defined as a barrier
to decrease or eliminate the transmission of the
electromagnetic wave between two areas [18].

Practically, there are a lot of efforts which have been
taken for different shielding techniques, starting from
improving the sensitivity of the receiving electronic
devices and enhancing the antenna systems till
suppressing interference by use of a variety of filters and
different shielding materials while all of the above could
not get an ideal result because of the technical limitations
or high cost [19-20]. A low-cost with high shielding
effectiveness technique is required. One such type of
good enough shield with the low-cost is the wire-mesh
screens [1-4, 21-26]. Due to their physical flexibility
and less weight compared to metal sheets, they are
appropriate for shielding of large structures [26].
Another advantage of the wire-mesh screen windows
over metal coated windows is its optical transparency
[27-30]. However, they suffer from lower Shielding
Effectiveness (SE) compared with metallic sheets. The
objective of the present work is to discuss the shielding
effectiveness of a double-sided coated glass window
where both sides of the glass window are coated with
wire-mesh sheets. It is shown that the proposed structure
is highly attractive for different shielding applications
due to its high electromagnetic shielding, lower cost,
reduced weight and optical transparency compared to
metallic sheets.

This article presents the shielding effectiveness
calculation method for single wire-mesh screen based on
transmission line theory as discussed in [22]. In Section
111, the shielding effectiveness for two cascaded wire-
mesh screens with a glass substrate is obtained. Finally,
measurements are conducted in order to verify the

1054-4887 © ACES
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analytical analysis.

I1. ANALYTICAL AND NUMERICAL
ANALYSIS OF SINGLE WIRE-MESH
SCREEN

Electromagnetic shielding refers to decrease or
suppress electromagnetic wave propagation from one
interface to another one. Electromagnetic shielding
effectiveness is defined as the ratio of the received power
before and after shielding. It can be expressed as [23]:

SE (dB) = 10logy, (?) (1)
where P, is the received power without shielding, and
P, is the power measured after shielding the area. The

same concept is applied to the electric and magnetic
fields shielding.

A. Analytical analysis of wire-mesh screen

The simple structure of wire-mesh screens is
constructed by parallel metal wires with equal space. For
such a case, the shielding effectiveness of the wire mesh
is depending on the spacing between the wires and the
thickness of the wires as well as the angle of incidence
of the wave [20]. To increase the shielding effectiveness
for such mesh, we can add additional wires orthogonal
to the first set.

The electromagnetic shielding effectiveness of wire-
mesh screens is considered where the mesh apertures are
of a small size compared to the operating wavelength. It
is described by the equivalent sheet-impedance of the
wire-mesh screen [22]. Because of the mesh aperture
periodicity and the mesh aperture is electrically small
compared to the wavelength, a mesh under the incidence
of an electromagnetic wave carries a reactive field that is
confined to the vicinity of the mesh surface where the
reactive field decays away from the screen surface as an
exponential factor [20, 30].

The shielding effectiveness of a mesh with square
aperture of length a, and wire radius ,, as shown in Fig.
1 can be described as [22]:

SE(w,6) = —10l0gy [ |7y (@, 0)[2 + 51T, (w, )],
2)

where T;(w,8) and T,(w,8) are the transmission
coefficients for the polarization of Transverse Electric
(TE) and Transverse Magnetic (TM) modes, respectively
and given by [20]:

T 0 (_225210((») )cos 0 3
1(w,0) = W’ (3)
(2.2)
— 0
T,(w,0) = Cose+(zzszzo(w)) | (4)

where 8 is the angle of incidence and calculated from
the normal of the planar sheet and Z, is the free-space
impedance. Z; and Z,, are the eigenvalues of the mesh
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impedance operator corresponding to the TE and TM
modes, respectively [20, 30]:

Zsl(w) =27y as' + jwly, (5)
Zop(w) = Zgy =22 sin?0, (6)
where the sheet inductance LS and the wire impedance
per unit length Z,, are given by [20, 30]:

u —2aryy —1
= Zo — as
L, = P In {(1 e ) }, )

Zy = (T[T‘M%O')_l, (8)
where p, is the free space permeability and o is the wire
conductivity.

It is important to note that the above analysis for
mesh with square apertures [22]. If the apertures of the
mesh are not square as for hexagonal aperture, an
equivalent square area can be calculated as discussed in
[20].

B. Numerical simulation of wire-mesh screen

The transmission of electromagnetic wave through
the wire-mesh screen was numerically simulated by
using HFSS (High Frequency Structural Simulator) [31].
HFSS is a commercial computational electromagnetics
software package which uses the finite element method
to solve the electromagnetic problems including antennas
and microwave filters design [31]. The numerical
simulation is used to verify the proposed analytical
results. The mesh screen is approximated in the
simulation analysis as an infinite periodic structure [20,
32]. Typically, the wire mesh screen is constructed of
periodic small square apertures. In case of an incident
plane wave, the structure can be approximated by a
single unit cell with periodic boundary conditions [33].
The fields on both sides of the screen are identical with
a phase shift that depends on the angle of incidence of
the planar wave [21].

Qs

Fig. 1. Wire-mesh screen with square apertures [22].



In order to check the validity of the model, the
shielding effectiveness is calculated analytically using
the presented model and numerically simulated using
HFSS for wire-mesh screen with square aperture of
width is 2 mm and radius is 0.05 mm. The frequency
band is 200-900 MHz which covers multi-bands
including lower GSM band. The sheet is made of
aluminum material with conductivity is 3.7 x 107 s/m.
The excitation is assumed to be plane wave with normal
incidence. Figure 2 shows the comparisons between
analytical and simulation results with good agreement
is obtained. The calculated mean error between the
analytical model and simulation results is about 3%.

It can be noted that the shielding effectiveness is
quite high at low frequency band while by increasing
the operating frequency, the shielding effectiveness
decreases. This can be explained as by increasing the
frequency, the sheet impedance increases and the
shielding effectiveness decreases [24]. From the plane
wave theory, when a radio wave propagates from a free
space with high intrinsic impedance into a wire-mesh
sheet with low impedance, the reflection coefficient is
high and the total shielding effectiveness increases
while by increasing the frequency, the sheet resistance
increases and the total shielding effectiveness decreases
[24].

SE (dB)

Analytical
HFSS -

0.1 0.3 0.5 0.7 0.9
Frequency (GHz)

Fig. 2. SE of aluminum wire-mesh screen with square

aperture, the aperture is width=2 mm and radius=0.05 mm.

Using the analytical model, shielding effectiveness
for a mesh with square aperture is calculated for different
angle of incidence and operating frequencies. The mesh
aperture dimensions is kept constants with width of 2 mm
and wire radius is 0.05 mm. Figure 3 shows the shielding
effectiveness as a function of the frequency and incidence
angle. It worth noting that the effect of the angle of
incidence on the shielding effectiveness is limited to
large incidence angles, also it can be shown that higher
frequencies leads to lower shielding effectiveness. The
same analysis is repeated to calculate the effect of the
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mesh aperture width a, and wire radius 7,, on the total
the shielding effectiveness. The operating frequency is
kept constant for 0.5 GHz and normal wave incidence is
assumed. Figure 4 shows the shielding effectiveness as a
function of the aperture width and wire radius. It can be
shown that increasing the aperture width leads to low SE
while the opposite is true for wire radius. The best SE
can obtained by using an optimization techniques to
determine the optimum aperture width and wire radius
for desired operating frequency.

50 -

SE (dB)

Fig. 3. SE as a function of frequency and angle of
incidence for single layer of aluminum wire-mesh screen
with square aperture, the aperture is width=2 mm and
radius=0.05 mm.
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0.
100

50

();,,”)
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Fig. 4. SE as a function of mesh aperture length and wire
radius for single layer of aluminum wire-mesh screen
with square aperture, the operating frequency is 0.5 GHz
with normal wave incidence.

I1l. SHEILDING EFFECTIVNESS OF
DOUBLE-SIDED COATED GLASS
WINDOW

In this section, the total shielding effectiveness of
the double-sided coated glass window is obtained. The
coating sheets can be of same material as to increase the
total SE. Also, the sheets can be of different materials for
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wide frequency band shielding or it can be used for
different shielding applications, as one layer can be used
for electromagnetic shielding of radio wave of specific
band, e.g., GSM band, and the other one can be used for
magnetic shielding by using the second sheet with high
permeability material [34-35] in which, the structure
shielding will server for different types of applications.

Ciddor and Whitbourn [36] presented an equivalent
film model for single wire-mesh sheet based on
transmission line lumped circuit and gave a transfer
matrix M, .., for wire-mesh with a normalized equivalent
admittance Y;,.sp, [36]:

1 0
MmESh B [Ymesh 1]' (9)
where the normalized admittance Y, is the reciprocal

of the sheet impedance Z,,.;, of transparent conductive

wire-mesh screen,
1
Ymesh =

: (10)
Zmesh
the normalized impedance Z,,,.s, can be given by (5) and
(6).

The transfer matrixes of glass window substrate
M,,;, can be obtained using a transfer matrix theory of
optical thin films [36]:

Cos@

(7o) sine
where ¢ is the optical path difference and Y,,;, is the
optical admittance of the film [36]:

o= Znn;Win, (12)

where n is the complex refractive index of the film and
twin IS the film thickness. The optical admittance Y,,,;,, is
obtained by [36]:

iYyin Sing

Myin = (11)

cosQ '

Yyin = Yy, (13)
where Y, is the free space admittance.

For double mesh coting with glass substrate as
shown in Fig. 5, the transfer matrix for each wire screen
is calculated using (9). According to transmission matrix
method, the transfer matrix M,,.; of the structure can be
calculated by:

A B

Meiotar = Mmesn1 Mwin Mimesnz = [C pl (14)
The total transmittance coefficient T,,., Of the

structure is obtained from the transfer matrix M ,.q; [24]:
R — (15)
A+B/Zy+C Zy+D

and the total shielding effectiveness can be obtained by
[24]:

Tiotar =

SEotq1(dB) = —20log,o(Tiorar)- (16)

Incident Wave

—_—

Transmitted Wave

0 —

meshl

.__Mln_ei@___

Zy
Reflected Wave

Free space

M,

Free space

Mwindaw

Fig. 5. Cascaded wire-mesh screens layout.
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The total shielding effectiveness of two aluminum
sheets with glass substrate is calculated analytically
using the presented model and numerically simulated
using HFSS. The sheets are constructed of square wire-
mesh with aperture width is 2 mm and wire radius is
0.05 mm. The frequency band is 200-900 MHz. The glass
substrate relative permittivity is 5.2 and thickness is 6 mm.
Figure 6 shows the comparisons between analytical results
and HFSS simulation with a good agreement is obtained.
It can be noted that the shielding effectiveness of the
structure is increased by about 50% with introducing
additional coating layer of wire-mesh. The calculated
mean error between the model and simulation results is
about 4.1%.

The same HFSS setup is used while one of the sheets
is kept aluminum and the other one is replaced with
iron material of conductivity is 1.01 x 107 s/m using the
same dimensions. Figure 7 shows SE as a function of
frequency based on HFSS simulation for two scenarios.
In the first scenario, the two sheets are made of
aluminum while the other scenario, one of the sheets is
kept aluminum and the other sheet is replaced with iron
sheet. It can be shown that changing the wire mesh
material with different conductors has less effect on the
total SE of the structure.

80

70

60

50

40

SE (dB)

30
20

10

Analytical ———

0.1 0.3 0.5 0.7 0.9
Frequency (GHz)

Fig. 6. SE of double coating wire-mesh screens with
square aperture, the aperture is width=2 mm and
radius=0.05 mm. The two sheets are made of aluminum.

Two Aluminum Sheets
Aluminum-Iron sheets

0.1 0.3 0.5 0.7 0.9
Frequency (GHz)

Fig. 7. SE of two coating wire-mesh screens with
different materials based on HFSS simulation.



1IV. MEASUREMENTS

In this section, sample results are presented to verify
the accuracy of the proposed model for two scenarios,
single and double-sided coated glass window.

The experimental setup consists of Handheld RF
Signal Generator (RFEGEN 1.12) with dipole antenna
with gain of 2.2 dBi which is used as a transmitter while
the receiver is RF Viewer wireless USB dongle and
data is collected using computer software package RF
spectrum analyzer (TOUCHSTONE PRO) as shown in
Fig. 8. The transmitting and receiving antennas are
kept vertically polarized as shown in Fig. 8. In the first
scenario, single aluminum wire-mesh screen is fixed
in the front face of shielded box with dimensions
50 cm x 50 cm x 30 cm and the transmitter is fixed on
wood table at 1 m away from the receiver as shown in
Fig. 8. The mesh aperture width is 2 mm and wire radius
is 0.05 mm. The operating frequency band is 200-900
MHz which covers multi-bands including lower GSM
band. The received power is measured where no sheets
are installed in the front face of the box while the other
faces as fully shielded then the measured data is
collected after shielding with single layer of aluminum
wire-mesh sheet. The shielding effectiveness is calculated
as the ratio between the received power with and without
shielding. Figure 9 shows a comparison between the
shielding effectiveness which is calculated from the
measured data and the one which is calculated by using
the analytical model. Good agreement between the
measured and analytical results is obtained. The slight
differences can be explained due to errors in the manual
positioning of the receiving antenna, differences due to
the boundary conditions of the actual setup and slight
interference from external sources. The mean calculated
error between the model and measured results is about
5.9%.

The same setup is used while by fixing two layers
of aluminum wire-mesh sheets on both sides of a
commercial glass window with thickness of 6 mm and
relative permittivity is 5.2. The structure is installed in
the front face of the box while the other faces are kept
fully shielded. Figure 10 shows a comparison between
measured SE in dB and the calculated one by using the
proposed model for cascaded wire-mesh screens. Good
agreement between the measured and calculated results
is obtained. It should be noted that two mesh layer on
both side of the glass window can increase the total SE
by about 50% compared with single wire-mesh screen.
The total SE of the structure is satisfactory high while
the total cost is quite low with good optical transparency
compared to metallic sheets. The proposed structure is
highly attractive for wide band of shielding applications.
The mean calculated error between the model and
measured results is about 2.8%.

EL-MAGHRABI: ELECTROMAGNETIC SHIELDING EFFECTIVENESS CALCULATION

(@) (b)

Fig. 8. Measurement setup: (a) TOUCHSTONE PRO RF
spectrum analyzer software package. (b) Transmitter
(RF Signal Generator) and receiver antenna are installed
in shielded box with single aluminum wire-mesh screen
in the front face with glass window.
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Fig. 9. Shielding effectiveness for single layer wire-mesh
screen with aluminum material, a; = 2 mm andr, =
0.05 mm.
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Fig. 10. Shielding effectiveness for double layers of
aluminum wire-mesh screens with glass substrate, a, =
2mm, 1, = 0.05 mm and glass thickness = 6 mm.

V. CONCLUSION
An approach is proposed to calculate the shielding
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effectiveness of wire-mesh screens for single and double
wire-mesh layers with glass substrate. The model is based
on transmission line theory. It is shown that the wire-
mesh screen is providing high shielding effectiveness in
low frequency range and by increasing the frequency the
shielding effectiveness is decreased. Also, it is shown
that the structure shielding effectiveness is satisfactory
increased by introducing additional wire mesh layer. The
proposed structure is highly attractive for wide band of
shielding applications due to its lower cost, reduced
weight and optical transparency compared to metallic
sheets. The proposed model is verified by comparison
with experimental results. Good agreements are obtained
from these comparisons.
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Abstract — This paper presents a novel general equivalent
model of multi-coil coupled wireless power transfer
(WPT) system and its application on compensation
network design. The proposed equivalent model has the
advantages of concise expressions, good accuracy, and
fast calculation speed. Firstly, the general equivalent
model is established to get the concise expressions of
system efficiency and output power. Then, based on the
proposed model, compensation network design method
is discussed, considering several system performance
indicators. Furthermore, the proposed model and method
are verified by a developed WPT prototype. Meanwhile,
the equivalent characteristics and the mutual-resistance
effect are analyzed. Also, numerical simulations are
conducted to study the magnetic flux distribution, the
magnetic field exposure issue, and the current distribution
in coil Litz wire. Finally, a varied capacitor compensation
method is presented to improve system efficiency on the
conditions of coil misalignments.

Index Terms— Compensation network design, efficiency
improvement, general equivalent model, Wireless power
transfer.

I. INTRODUCTION

Wireless power transfer (WPT) can make people
free from connecting wires and bring convenience to
consumers. So, it has attracted much attention and has
been used in implanted devices, sensors, mobile phone
and electric vehicle (EV) charging, etc. [1,2].

Coupling coils are a key part of WPT system. They
can be described by coupled-mode theory [3], circuit
model [4], or some electromagnetic descriptions [5].
WPT system works through the electromagnetic coupling
among the coils. So, it is an electromagnetic problem
essentially, affected by coil sharp, size, position, and so
on [5,6]. However, the coils can be considered to be
electrically small, because their sizes and lengths are
much smaller than the wavelength of WPT operating
frequency [5]. Moreover, distance between the coils is
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much smaller than the wavelength of WPT operating
frequency. So, we can think the energy is stored in
the near-field and not radiated into space. Hence, the
radiation loss can be neglected. Based on the above two
points, WPT system can be approximately equivalent to
a lumped parameter circuit.

Lumped parameter circuit model of WPT system
can be obtained from voltage-current equations based
on impedance matrix [7,8]. But for the multi-coil WPT
system, the circuit models usually contain too many
parameters, and cannot get a concise expression of
system efficiency or output power [4,7]. So, several
methods are proposed to solve this problem, including
making the coils and compensation networks working in
the resonance states [9], assuming the coils are identical
[10], adopting S-parameters to describe the WPT system
[1], and reducing the order of the multi-coil WPT model
[11]. The most common way is considering only the
mutual-inductances between adjacent coils to simplify
the model [12,13]. This simplified model could give
concise expressions, but will lead to inaccurate results in
some applications.

The other key part of WPT system is compensation
networks, which include series capacitor, paralleled
capacitor, LCC compensation network and so on [14,15].
They can be designed in the resonance state, which has
the advantages that the resonant frequency is irrelevant
with the coupling coefficient and is also independent
of the load condition [15]. But in some close range
applications, the optimal system does not work in the
completely resonance state [4]. So, the compensation
networks need to be optimized considering features of
both the coils and the load [16], in order to adjust system
output power and keep system efficiency in a high value.

Based on the research above, a novel general
equivalent model of multi-coil coupled WPT system is
proposed in this paper. This model contains complete
information of the multi-coil WPT system, so it has good
accuracy. At the same time, concise efficiency and
output power expressions can be obtained, which are

1054-4887 © ACES



more convenient for system analysis and design. Also,
the proposed model can achieve faster calculation
speed, because the n-order impedance matrix has been
transferred to a two-order one, so the calculation time
of the reverse operation will be significantly reduced.
This paper is organized as follows. Section Il presents
the general equivalent model. Section Il shows the
compensation network design method. Section 1V gives
an example of a four-coil system, corresponding
experimental verifications and analysis.

I1. GENERAL EQUIVALENT MODEL

The electromagnetic coupling problem of WPT
system can be analyzed through the lumped parameter
circuit model, since it meets the requirements of
electrically small. Circuit model of a typical multi-coil
WPT system is shown in Fig. 1. Where, compensation
networks with series capacitors are adopted, since they
have simple structures and been widely used in multi-
coil system; Us is equivalent voltage source; R_ is
equivalent load resistance, Iy, I2, I3, ... In1, In are currents
in the coils; Ly, Lo, Ls, ... Lna, Ln are self-inductances of
the coils; R1, Rz, Rs, ... Rn1, Ry are stray resistances of
the coils’ loops; Ci, Cz, Cz ... Chi, Cn are series
compensation capacitances; M1z, Mz, Mzs, ... Man.y,

Ms(-1), Man, ... Mn(n-1) are mutual-inductances among the
coils.

N
M(n—])n] C,,,
F K n

Fig. 1. Circuit model of the multi-coil coupled WPT
system with series compensation capacitors.

According to Kirchhoff’s law and mesh current
analysis method, the voltage-current equation of the
circuit model in Fig. 1 is given by Equation (1a):

), I, I Ziny  Zn [[1, 7] U]
Z, Z, Z,y Zyoy Lo I, 0
Zy Iy Iy Zyy Zw || |_| O
Zl(n,l) ZZ(n—l) Za(n—l) Z(n—l)(nfl) Z(H)n s 0
Z, Z,, Z, Ziy  Zn _-'n 1 L0
(1)

Where, system impedances are defined by Equation (1b),
and w is the angle frequency:
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2,/ =7, +1/ joC, =R + joL, +1/ joC,;
Z, =Z,+R +1/ joC, =R, + joL,+R_+1/ joC,;
Z,=R,+j(oL,-1/aC,); p=23...n-1;
Z,=JjoM; p,q=123...n-1n,and p=q.

Equations (1a) and (1b) indicate that the inverse
matrix of the n-order impedance matrix has to be solved
to get the results. This inverse operation will lead to lots
of calculations and complex final expressions. For the
sake of solving this problem, we consider to reduce the
order of the impedance matrix by making an equivalent
with a two-coil system like shown in Fig. 2. In the
equivalent process, Us, R, I1, In, C1 and C, are kept at
the same. We build an equivalent relationship between
the part in dashed box in Fig. 1 and the one in dashed
box in Fig. 2. This conversion will change the n-order
impedance matrix to a two-order one, so the
corresponding calculations of the inverse operation will
be significantly reduced, and it is possible to obtain
concise equation solutions.

(1b)

Fig. 2. Equivalent two-coil model used to express the
multi-coil WPT system.

In Fig. 2, Le1 and Le are the self-inductances, and
Re1 and Re are the resistances of the two equivalent coils’
loops, respectively. Also, primary side impedance Zes,
secondary side impedance Ze, and mutual-impedance
Zem are defined as follows: Zei=Re1+jwLe1, Zeoz=ReztjwLeo,
Zem=Rem+jwMe. Where, Rem and M. are mutual-resistance
and mutual-inductance between the two equivalent coils.
It should be noticed that mutual-impedance between the
two equivalent coils contains resistance component Rem,
which is different from the expressions of the traditional
two-coil WPT system.

Using the general equivalent model, expressions of
system efficiency and output power can be got according
to the following steps. Firstly, the n-coil coupled circuit
in Fig. 1 is transferred to the equivalent two-coil model
in Fig. 2, to the aim of reducing the impedance matrix
order. Specifically, we find the relationships between
impedances of the n-coil coupled circuit model (Z,, and
Zyq) and impedances of the equivalent two-coil model
(Ze1, Ze2, and Zen), as the functions shown in Equation (2):

Za = TaZpp Zpg)i Zey = Tea(Zp0 Zg)s )

Zyw =t Z) P,4=123..n-1,n,and p=q.

pp’

649



650

Then, based on the transfer relationships in Equation
(2), the voltage-current equation of the equivalent two-
coil model in Fig. 2 is given by Equation (3):

Ze1+1/ Ja)Cl Zem Il _ US
z Z,+R +1/jaC, |[1,] |0 [ @)

em

At last, system efficiency and output power
expressions can be calculated and given by Equations (4)
and (5). Where, Rsec=Re2+R(, Xe1=w Le1-L/w C1, Xeo=w Leo-
VwC, Zeq:Rel Rsec-Rem?+?Me?.

((()ZMQZ + Remz)RL
n= 207 2 2 2 2 -(4)
Rsec(a) Me _Rem )+R91(Rsec + xe2 )_ZwMeRemXez
b _ (@M 2 +R, )R U? )
° (Zeq _Xelxez)z+(R91X92+Rsecxel_2a)MeRem)2 l

Equations (4) and (5) suggest that concise solutions
can be obtained from the proposed equivalent model.
They will be helpful for system analysis and design.

Furthermore, Equations (4) and (5) can be used to
get optimal system states, such as maximum efficiency
and so on. According to the traditional two-coil WPT
model, system can achieve maximum efficiency, when
the secondary side is in resonance state, which means
Xe2=0. However, the situation in the proposed equivalent
two-coil model is different, because of the introduction
of Rem. The optimal Xe; to achieve maximum efficiency
is calculated and given by Equation (6):

Xezfopt =wMeRem / Rel' (6)

Through Equation (6), the maximum system
efficiency nmax can be solved, as well as system output
power Pom when having maximum efficiency. Their
expressions are given in Equations (7) and (8). Based
on these equations, compensation capacitors can be
designed to achieve high system performance:

— (sz ez + Remz)RL Rel (7)
e Releec (sz ez - Remz) + Rel2 Rsecz - COZM ez Rem2 .
2 2 2 2
o _ (@M +R,)RU ®

XeleeRem / Rel)z +(Rsecxe1 -oM R )2

(Zeq - e’ em
Besides, the proposed equivalent model can also

be achieved and investigated through electromagnetic

theory, but the circuit model is more suitable and has

higher accuracy on the specific condition in this paper.

111. COMPENSATION NETWORK DESIGN
Compensation networks are designed to make the
WPT system achieve high performance, such as maximum
efficiency, rated output power, high coil misalignment
tolerance, etc. Since every coil has a corresponding
compensation capacitor as shown in Fig. 1, the system
will have n degrees of freedom, which can be used for
design. This means n equations can be simultaneously

solved to reach several design targets at the same time.
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Firstly, efficiency and output power targets are most
important. So, Equation (6) should be included in the
target equations to reach the maximum system efficiency.
Also, Pom = Prer should be solved based on Equation (8)
to make the system output rated power. Where, Py is
rated system output power.

Then, system input impedance characteristics need
to be adjusted to match the power source. For example,
sometimes system input resistance should be 50Q to
match the radio frequency (RF) source. Moreover, if the
source is an inverter, system input reactance should be
adjusted to control the inverter load reactive power, in
order to reduce electric stress of power electrics devices.
Equation (9) shows the expression of system input
reactance. In order to adjust the reactive power, Xin =
Xreq Needs to be added in the target equations. Where, Xreq
is the reference reactance:

X = Rsec(Rsechl _ZwMeRem) + er(Rem2 _sze2 + xelxez) )
" Rsecz_l—er2

)
Furthermore, coil misalignment tolerance could be
considered, if there still have design degrees of freedom.
For example, making the WPT system reach maximum
efficiency or achieve reference efficiency, when the
coils have a certain misalignment distance. Equation
(10) gives the target equation which make the system
reach maximum efficiency when misalignment. Where,
subscripts _d’ represent the corresponding equivalent
model parameters in the coil misalignment distance d:

XeZﬁoptid :wLezid -1/ aﬁn = wMeid Remfd /&17d' (10)

Solving process of the target equation is a little
complex, if we want WPT system to achieve reference
efficiency 7q in the coil misalignment distance d. This is
caused by the efficiency expression is a two-order
function of Xe, as shown in Equation (4). So, firstly,
Equation (11a) is used to determine whether the
efficiency equation is solvable. If there is a solution, the
target equation can be given by Equation (11b):

A= 4'602'\/|e_dz|:zem_d2 _4Rel_d (Rel_d Rsec_d2 + Rsec_dz

ZM 2 R 2 R (11a)
x(a)ZMe dz_Rem dz)_(w e_d + em_d ) L)ZO.
- - 4
20M, R, ,+A
XeZ_opt_d = 72dR = . (11b)

el_d

Through simultaneously solving the above target
equations, values of the compensation capacitors can be
obtained by considering several system performance
indicators. It should be noticed that sometimes there is
no analytical solution for these equations. Numerical
solution methods need to be used on this condition. Also,
calculated values of the compensation capacitors require
fine tuning in practice to get better results.
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IV. EXAMPLE OF A FOUR-COIL SYSTEM

A. Equivalent model of four-coil system

Circuit model of a typical four-coil WPT system is
shown in Fig. 3. Where, the four coupled coils are named
as drive coil, transmit coil, receive coil, and load coil,
in the order from source to load; the variables have the
same meaning with the ones shown in Fig. 1.

C! :r L' yig /*[Mg[g\ y.?:‘ ]4 \l C4
. L I > y I

¢ Cs : R,
L2 R2R3 Lj L4 |

=

/
\
EU

Fig. 3. Circuit model of the four-coil coupled WPT
system with series compensation capacitors.

Measure impedance parameter of the multi-coil
coupled WPT system, and obtain the voltage-current
equation through (1)

v

Find impedance relationships through (2), and
establish the equivalent two-coil model through (3)

v

Calculate maximum system efficiency #,.,, and its
corresponding output power P,,, through (7) and (8)

Set the design .
targets P,.;, X,. Above the dash line:
and ,}; - equivalent model
4; achieving process
Reset 3, .
according to the Under the dash line:
WPT system compensation network
A v design process
/*"/Iﬁ)etenhiné““‘“-x.;.
No .
" whether 7,is able to

- achieve through -

l Yes

Simultaneously solve the target equations: (6), (11b),
Py = Pr-q/; and X, = ){t'cq

!

Obtain the values of the compensation capacitors

Fig. 4. Flow chart of the proposed equivalent model
achievement and compensation network design method.

The solution procedure based on the proposed
equivalent model and the compensation network design
method are shown in Fig. 4. According to the equivalent
model achieving process shown in Fig. 4, we can build
an equivalent relationship between the part in dashed
box in Fig. 3 and the one in dashed box in Fig. 2. This
conversion will change the four-order impedance matrix
to a two-order one. Through operations of the impedance
matrixes and their elements, the relationships are
obtained and given by Equation (12):

_ 2122233 + 2132222 - 2212213223
Zzzzas - Z232
_ 2242233 + 2342222 27,773
“ 222233 - 2232 ’
_ 2020 Zas+ 21323075 — Z55(205Z50 + Z1575,) )
Zzzzss - Z232

Zel = Z11

Z,=2

e2

z zZ,

em —

(12)
Equation (12) suggests that primary side impedance
Ze1 of the equivalent two-coil model is decided by the
self-impedances of drive coil, transmit coil, receive coil,
and the mutual-impedances among them. But it does
not have a relationship with the load coil. Similarly,
secondary side impedance Ze, has no relationship with
the drive coil. Mutual-impedance Zen is independent of
self-impedances of drive coil and load coil. It should be
noticed mutual-impedance between the two equivalent
coils contains resistance component Rem, because self-
impedance Z,; and Zs; are included in the transfer
relationship of the last equation in Equation (12).

B. Compensation capacitor design and experimental
verifications

In order to verify the proposed general equivalent
model and the compensation network design method, a
WPT prototype for EV charging is developed. Where, a
full bridge inverter is used as the power source, and the
system load is a diode rectifier with resistor. The drive
coil and transmit coil are set up together in the ground
side, wound by Litz wires. Also, ferromagnetic materials
are adopted to constraint electromagnetic field. The load
coil and receive coil share the same structure in the
vehicle side. The size of the coils is 40cm x 40cm, and
the vertical distance between ground side and vehicle
side coils is 20cm.

The prototype is designed with rated output power
3.3kW on the input DC voltage 300V. However, we are
worried that the electric stress may be too large to harm
the system or devices in large misalignment distances, if
the prototype works in the rated power. Therefore, the
input voltage is reduced to 100V with the output power
366.7W for most of the following experiments and
analysis. The equivalent load resistance Ry is 23.2Q, and
system operation frequency is 100kHz. Values of other
parameters are shown as follows: L;=13.7uH, L,=53.1uH,
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L3=44.2uH, Ls=12.1uH, M1,=21.6uH, M3,=19.1uH. Also,
measured results of Mis, M1a, Mas, and M4 are given in
Fig. 5, which all change with the lateral misalignment
distance.

iy
o

R S
8 e N

Mutual inductance / uH

Misalignment distance / cm

Fig. 5. Measured values of coil mutual-inductances on
conditions of lateral misalignments.

Based on the parameter values in the prototype, the
compensation capacitors have been designed, according
to the design process shown in Fig. 4. Since there are
four compensation capacitors in the four-coil WPT
system, we can set four target equations. The first one is
the target equation to get maximum efficiency, based
on Equation (6); the second is Pom = 366.7W to make the
system output rated power, based on Equation (8); the
third is the target equation to adjust the inverter load
reactive power, based on Equation (9); the last one is
the target equation to keep system efficiency at 85%
in the misalignment distance 20cm, to improve system
misalignment tolerance, based on Equation (11).
Simultaneously solving these four target equations and
then fine tuning in practice, finally the values of the
compensation capacitors can be obtained as follows:
C1=41.2nF, C,=39.6nF, C3=49.5nF, C4=39.2nF.

On the basis of the designed compensation
capacitors, the prototype has been completed, and the
experimental waveforms are given in Fig. 6. It suggests
the prototype works well on the conditions of both coil
alignment and misalignment. Further tests show that the
measured system efficiency (DC source to load resistor)
is 92.5% on the condition of coil alignment, which meets
the requirement of the first target equation. System
output power is 367.8W, which approximately meets the
requirement of the second target equation. System input
reactance is very small on the condition of coil alignment,
which has minimized the inverter load reactive power,
and reduced electric stress of the power electrics devices.
Measured system efficiency is 84.3% on the condition of
misalignment distance 20cm, which is a little lower than
the requirement of the last target equation. This is caused
by some ignored factors, such as cable stray resistances,
device on-off losses, etc.

To sum up, these experimental results have proved
the effectiveness of the proposed general equivalent
model and the compensation network design method.
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Fig. 6. Experimental waveforms of the inverter output
voltages and currents. (a) On the condition of coil
alignment; (b) on the condition of coil misalignment
distance 20cm.

C. Equivalent characteristic analysis

Based on the parameter values of the developed
WPT prototype, we can discuss the equivalent
characteristics between the original multi-coil coupled
model and the proposed equivalent model. In this section,
system efficiency, input and output variables are used
to analyze the equivalent features. Only power losses of
the coils and compensation networks are considered. So,
system efficiency shown in this section will be a little
higher than the experimental results.

Calculated efficiencies according to the original
four-coil coupled model and the proposed equivalent
two-coil model are given in Fig. 7. Additionally, the
result of existing simplified four-coil model [13], which
ignores the mutual-inductances Mis, M4, and Maa, is also
given in Fig. 7 for comparison.
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Fig. 7. Comparison of system efficiency calculation

results among the original four-coil coupled model, the

proposed equivalent two-coil model and the existing
simplified four-coil model.



Figure 7 shows that the proposed equivalent two-
coil model can get the same accurate system efficiencies
as the original four-coil coupled model. This has been
verified on the conditions of both coil alignment and
misalignment. Because all the parameters in the four-coil
coupled model are considered during the equivalent
process, the equivalent two-coil model contains all
information of the original model. Figure 7 also indicates
that all system efficiency calculation results reduce with
the misalignment distance, while the result of existing
simplified model reduces faster. The existing simplified
four-coil model has an acceptable deviation on the
condition of coil alignment, only about 3%. However,
with the increasing of misalignment distance, the
deviation becomes bigger significantly, even reaches to
more than 24% in the misalignment distance 28cm.
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Fig. 8. Comparison of calculation results between the
original four-coil coupled model and the proposed
equivalent two-coil model. (a) Inverter load inductance
Linv; (b) amplitude of load current 14; (c) phase angle of
load current L.
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Meanwhile, the calculation time based on the four-
coil coupled model is 0.798ms, while the one with
the proposed equivalent two-coil model is 0.058ms,
according to the counting function in the software
MATLAB. This result suggests the calculation time
based on the proposed equivalent two-coil model is ten
times less than the one based on the four-coil model. Its
advantage on the calculation speed is very obvious, and
will make it more effective in actual applications.

Moreover, other comparisons between the original
four-coil coupled model and the proposed equivalent
two-coil model are given in Fig. 8, including the
calculation results of inverter load inductance Liny,
amplitude and phase angle of load current ls. They
suggest that the proposed equivalent two-coil model can
get the same accurate input and output variables as the
original four-coil coupled model. This has further proved
its effectiveness.

Finally, the effect of mutual-resistance Rem, which
is an obvious difference between the proposed model
and the traditional two-coil WPT system model, is
analyzed on the conditions of both coil alignment and
misalignment. The efficiency calculation results with and
without Rem are both shown in Fig. 9 for comparison.

100, :
3 :
; 80k
[9)
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2 60F
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@ 40t
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7] : )
& A —+-|gnoring Rem

Py | L 1 I I
00 5 10 15 20 25 30

Misalignment distance / cm

Fig. 9. Comparisons between calculated system
efficiencies considering and ignoring Rem.

Figure 9 suggests that if ignoring Rem, the calculation
results will have deviations, especially on conditions
of coil alignment and small misalignment. So, Ren is
an important parameter which affects the accuracy of
efficiency calculation. Essentially, Rem is a parameter
indicating the coupling degree between ground side and
vehicle side coils. The stronger the coupling degree is,
the greater its effect will be. When lateral misalignment
distance increases, the coupling degree becomes weaker,
and the effect of Rem becomes smaller. Hence, when
ignoring Rem, the calculation deviation will decrease with
the misalignment distance as shown in Fig. 9.

D. Numerical simulation analysis

Some issues arising with the proposed model and
method are discussed based on numerical simulations.
Firstly, a numerical simulation model is established
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through the finite element analysis software COMSOL,
according to the developed WPT prototype. The schematic
of the 2D numerical simulation is shown in Fig. 10.

Then, the magnetic flux distribution is analyzed
based on the 2D numerical simulation. Here, the rated
output power 3.3kW is considered for this simulation,
and the result is shown in Fig. 11. It suggests the major
magnetic flux is confined within the air-gap between the
coils, because of the ferromagnetic materials. The
maximum magnetic flux density can be larger than 2mT,
and the magnetic flux density in most of the space
between the coils is larger than 1mT. However, the
magnetic flux density will decrease fast in the space out
of the air-gap between the coils. After a short distance
away, it will reduce to less than 100uT.

Drive coil and
transmit coil

Ferromagnetic

Load coil and Waterials

receive coil

Fig. 10. 2D numerical simulation schematic of the
developed WPT prototype.

100uT

27uT

Fig. 11. Magnetic flux distribution simulation result of
the developed WPT prototype.

Furthermore, the magnetic field exposure issue of
WPT system is discussed for human safety concern,
according to the International Commission on Non-
lonizing Radiation Protection (ICNIRP) guidelines [17].
The magnetic field exposure level should be under 27uT,
at the frequency of 100kHz. As shown in the simulation

result, the 27uT threshold line shifts outward from 573cm.

Considering the scenario of EV wireless charging, most
passage cars are more than 1500mm wide, which naturally
keeps people around at least 700mm away. So, the ICNIRP
guidelines can be met if the WPT prototype is set on the
symmetrical centerline of the vehicular chassis.
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Finally, the current distribution in the Litz wire used
for the coils is analyzed, as well as the frequency effect.
Here, a usually used frequency tuning range of 90kHz -
110kHz is adopted to show the frequency influence,
considering system operation frequency 100kHz as the
central frequency. Current distributions in Litz wire at
different frequencies can be obtained from numerical
simulation conducted by the software COMSOL. The
simulation results are shown in Fig. 12, on the conditions
of different frequencies.

(© (d)

Fig. 12. Simulation results of frequency influence on the
Litz wire current distribution. (a) Frequency: 90kHz; (b)
frequency: 100kHz; (c) frequency: 110kHz; (d) frequency:
1MHz.

Figure 12 suggests the current distribution in Litz
wire becomes more and more inhomogeneous, when
frequency increases from 90kHz to 110kHz. But this
inhomogeneity and the change of current distribution are
both not very obvious in the frequency range of 90kHz -
110kHz. So, the numerical simulation results indicate
that skin effect and proximity effect only have small
effects on current distribution in the range usually
used for frequency tuning. However, if the frequency
continues increasing, the influence of skin effect and
proximity effect will be significant as shown in Fig.
12 (d). In this case, AC resistance of the Litz wire will
greatly increase and lead to substantial power losses.

E. Efficiency improvement

On the basis of the above analysis, a varied capacitor
compensation method is presented to improve system
efficiency on conditions of coil misalignments. As
in Section IV.C, only the power losses of coils and
compensation networks are considered.



Parameter values of the equivalent two-coil model
will change with coil misalignment distance, and lead
to efficiency reduction. If the load coil compensation
capacitor Cs is adjusted according to different
misalignment distances, the influence of misalignment
could be partly compensated. The optimal values of
C. can be calculated through Equation (10), and the
results are shown in Fig. 13. It suggests that the optimal
compensation capacitor Cs4 o decreases with coil
misalignment distance and has a large change range.
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Fig. 13. Calculation results of the optimal load coil
compensation capacitor Cs gpt.
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Fig. 14. Efficiency comparisons between adopting the
constant capacitor and the optimal varied capacitors.

The varied capacitor compensation method is used
in WPT system, and the results are shown in Fig. 14. It
suggests system efficiency can be improved through
this method, especially in the misalignment distances
larger than 20cm. Further calculation indicates that
the maximum efficiency improvement can reach up to
16%. These results have proved the effectiveness of the
proposed efficiency improvement method.

V. CONCLUSION

This paper presents a novel general equivalent
model for multi-coil WPT system analysis and its
application on compensation network design. The
proposed model has good accuracy because it contains
complete information of the multi-coil WPT system.
Also, it can lead to concise results, and fast calculation
speed. These advantages make the compensation
network design easier to be conducted, and has been
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verified by a developed WPT prototype on the conditions
of both coil alignment and misalignment. The results
show that the proposed equivalent model can get the
same accurate efficiencies, input and output variables
as the original multi-coil model; meanwhile, the
compensation network design method works well.
Based on the actual parameter values, the equivalent
characteristics are analyzed, as well as the magnetic flux
distribution, the magnetic field exposure issue, and the
current distribution in coil Litz wire. Finally, a varied
capacitor compensation method is presented to improve
system efficiency. The proposed model and methods in
this paper will be helpful for multi-coil WPT system
analysis and design.
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Abstract — In this paper, the electromagnetic pulses have
been investigated based on the theory of wave-hop
propagation. The approximate formulas are obtained for
the electromagnetic field of a vertical magnetic dipole in
the presence of an Earth-ionosphere waveguide. Based
on the results obtained, the approximate formulas are
derived readily for the ground wave and sky waves
due to horizontal electric dipole excitation by using a
reciprocity theorem. The corresponding computations
and discussions are carried out specifically by analogy
with those generated by a vertical electric dipole with the
formulas in CCIR’s recommendation. It is shown that the
sky wave pulses would interfere at certain distances and
occur by different time-delays.

Index Terms — Horizontal electric dipole, LF wave,
wave-hop theory.

I. INTRODUCTION

Theoretical investigations of the electromagnetic
wave propagation have led to a clearer understanding
of radiation mechanism. During the last decades, the
electromagnetic fields of vertical and horizontal electric
dipoles in the Earth-ionosphere waveguide have been
investigated for applications [1,2].

Early in the 1960’s, the analytical formulas were
derived for the ground wave and sky waves generated
by horizontal and vertical electric dipoles in the Earth-
ionosphere cavity. The details of the research findings
are well summarized in a classic book [3]. It was
demonstrated that the total field is a summation of
ground wave and sky waves.

In the last decades, many researchers had revisited
the problem and some new progresses had been made
[4]. Recently, the ELF wave generated by a horizontal
electric dipole was treated analytically in the Earth to
anisotropic ionosphere cavity in former research by Li
et al. [5]. The details of the study and ELF wave
propagation in the presence of Earth-ionosphere cavity
were summarized in the book by Pan and Li [6].

Based on these investigations, the LF (Low
Frequency: from 30Hz to 300Hz) wave propagation is
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to be investigated in the present study for evaluations
caused by a horizontal electric dipole source [7,8].

Despite calculations and measurements of the
magnetic induction signal due to electromagnetic pulse
had been presented earlier being utilized on radio
detection of the radiation [9], it is necessary to investigate
the radiation mechanism by analytical approximations.
In the treatment of this problem, the transient field is also
analyzed by the inverse Fourier transformation where an
electric dipole moment is adopted here to represent the
radiating source.

According to CCIR’s recommendation, it is known
that the total field on or near the spherical surface of
the Earth is determined primarily by sky wave at long
distances [10]. However, the explicit formulas have not
been recorded in literature for ground wave and sky
waves by horizontal electric dipole excitation. Therefore,
the LF wave propagation due to horizontal electric dipole
excitation is addressed in the present study.

In what follows, the computational scheme is
developed when both the observation point and the
transmitting antennas are located on the ground due to
a horizontal electric dipole excitation. The influence of
radiation mechanism radiation is investigated in time-
domain for each ground pulse and sky pulses, respectively.
When the observation point and the radiating source are
located above the ground, the LF waves in variant of
propagating paths are considered by the changes of the
height factor.

I1. FORMULATIONS
The geometry under consideration is shown in Fig.
1. The horizontal electric dipole representing for the
radiating source is located on the upward-directed z-axis
at a distance z, from the origin of coordinates above the
spherical Earth.

A. The electromagnetic field excited by a vertical
magnetic dipole

Following the same manner in [6], we started by
using ' V ' as the magnetic type potential function to
represent LF waves which is generated by a vertical

1054-4887 © ACES
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magnetic dipole. They are:
—iwz, o(IV)
r roo
2 sing?V
H, =- folvi _ folvi 1)
rsiné

1 o°
o rarae(rv)

E =

P

where the wave equation is written as:
VA +k¥V =0. (2)
By the method of separation of variables [11], we can
derive the electromagnetic wave vectors in the earth-
ionosphere waveguide in air as follows:

E, =B S 4G, (2)G, (2)e% . (3)
nH, =E’\/n_xei%ZAT;G ()G, (z,)e™" 4)

M, =Enme Y 4G, (2 )‘9G (Z) e (5)
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Unlike the traditional WKB approximation [12] Airy
function is employed here in order to guarantee the higher
accuracy of solution at the higher frequencies in LF band.
The coefficients are derived correspondingly with the
excitation factor expressed by:

A :{‘m —(0")* = (t, = (a")* = Yo)

o (1)
x ( Wll(tm ) B q hwl (tm ) J
Wl,(tm - yo) + qihevvl (tm - yo)
and the height gain factor defined by:
G,(r) = AW, (t-y)+ BW,(t-Y), (8)
where
Wz'(tm B yo) + Qih\Nz (tm B yo)
Alt,)=—— , 9
() Wl(tm_y0)+qihvvl(tm_y0) ®)
B(tm) :_Wl(tm)_qhvvl(tm) (10)

W, (t,) —a'W, (t,) *
and fm are the roots of modal equation of magnetic type
A(t,)B(t,)=1. Airy functions W,(t—y) and W, (t—y)
are defined by:

W00 == [ & . (11)

I
Fip

B. Approximate formulas for ground wave and sky
waves excited by a horizontal electric dipole

Based on the results derived, the electromagnetic
components of LF wave are readily derived by using a
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reciprocity theorem. The six wave components are
summarized as:
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where the superscript ' he ' designates the horizontal
electric dipole for the radiating source.

Therefore, the approximate formulas for the ground



wave and sky waves are correspondingly obtained by
invoking of Equations (12)-(17) due to a horizontal
electric dipole excitation. For simplicity, we take the
radial electric field as an example. The ground wave is
approximated by the fundamental term in Equation (12)
expressed by:

E =EV"™, (18)
where
ildShef] eikaH
E —— Vim), 19
0 72 Josnd (Vim) (19)

V' = Jzxe * cosgi YAZ,(z,) aina(zZ)
0

7=7,

a3, 1t '
x| 1+ (ko_a] t_s
2 2

in which t,(s=12,3,......) are the sequential roots of
modal equation defined by:
W, (t,) - AW, (t,) =0. (21)
In the meanwhile, the first two sky waves are
expressed by:
lds"™7

(20)

E'™ = cos p2e*cos’y, ,R,DFF. /L, , (22)

in which L; is the total ray length of the first-hop sky
wave; v, is the arriving angle on the ground of the first-
hop sky wave; D is the convergence coefficient due to
the spherical curvature of the ionosphere; F; and F,
represent for the antenna background factors of the
launch point and observation point, respectively, caused
by the earth curvature and the finite conductivity; ,R, is

the ionospheric reflection coefficient where the subscript
/I indicates that the electric vectors of the incident wave
and the reflected wave are parallel to the incident plane,

respectively;
I he

El = d; T cos p2e™" (cosy, )’ D?D,FF,

, (23)
X(//R//.Rg//'//R//_F//RL'RQL'LR//)/LZ

in which L; is the total ray lengths of second-hop sky
wave; v, is the arriving angle on the ground of the

second-hop sky wave; Dy is the convergence coefficient
due to the spherical curvature of the ground; ,R,, R,

are also the ionospheric reflection coefficients where the
pre-subscripts indicate that the electric vector of the
incident wave is parallel or perpendicular to the incident
plane while the subscripts indicate that of the reflected
wave is perpendicular or parallel to the incident plane,
respectively.

The computational scheme of the above parameters
in this paper is not developed in detail for simplicity
which is similar to the case excited by a vertical electric
dipole. The related calculation methods are found in the
literature [10].
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Fig. 1. The geometry of wave propagation routines due
to a horizontal electric dipole excitation.

I1Hl. COMPUTATIONS AND DISCUSSIONS
Based on Equations (12)-(17), the evaluations are
carried out for LF waves generated by the radiating
source by horizontal electric dipole excitation in time-
domain and frequency-domain, where zs and z; represent
for the heights of radiating source and receiving point,
respectively.

A. Radiation source located on the ground

To illustrate the general formulas for the field
components obtained by horizontal electric dipole
excitation, the computations are carried out at f = 200 KHz
and f = 300 KHz in Fig. 2 for summer daytime where the
ionosphere parameters taken as follows: the equivalent
height of the ionosphere assumed to be h = 70 km,
electron density N = 10°m, electron collision frequency
v = 107 s, the ground which is characterized by the
relative dielectric constant e, = 80, electrical conductivity
6=5Sm?tand z, = z;= 0 km.

It is seen that when the receiving point and the
radiating source are placed on the surface of the Earth,
the ground wave decays along the propagation path, but
for each sky wave the maximum value occurs after a
certain propagation distance.

B. Radiation source located above the ground
Assuming the receiving point is on the ground and
the radiating source is located at a certain distance
from the origin of coordinates above the Earth, the
computation for the ground wave is similar to that
excited by a horizontal electric dipole on the ground
except for the enhanced gain factor. But for the sky
waves, corrections of angular distances should be
additionally taken into consideration by the change of
propagation paths.
(1) For the first-hop sky wave, the routine from the
radiating source T to the receiving point R in Fig. 3
(a) experiences a reflex by path TAP before the
hop path APR. This can be equivalent by the
contribution of the image source B which is
identical to the source B on the ground in Fig. 3 (b)
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with the equivalent Earth radius |OC|. Considering
the equivalent Earth radius |OC| = a, the propagation
path is approximated in Fig. 3 (b) with the
equivalent angular distance 6. By the triangle
similarity of PBA and PBC,

h —aé
_ P ( , (24)
h+d (a-d)(p/a+6)
pd +phd/a
= 22PN (25)
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O —
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Fig. 2. Amplitudes of the electric field

E(r,0)| indB
versus the propagating distances p due to unit horizontal

electric dipole excitation; a = 6370 km, & =80, s =5 S-m?,
and z, =z, = 0 km; f = 200 KHz, 300 KHz, respectively.

(2) Similarly, for the second-hop sky wave, the
propagation path TAP,BP,R in Fig. 4 (a) can be
equivalent by the hop path CAP, BP,R excited by
the image source C. Therefore, the propagation path
is approximated in Fig. 4 (b) with the equivalent
angular distance 0. By the triangle similarity of PBA
and PBC,
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(a) First-hop sky wave (b) Equivalent model
Fig. 3. Propagation path for the first-hop sky wave when
the receiving point and radiating source are located
above the ground.

(a) Second-hop sky wave (b) Equivalent model

Fig. 4. Propagation path for the second-hop sky wave
when the receiving point and radiating source are located
above the ground.

(3) For the higher orders of sky waves, the equivalent
angular distances will be more complicated to obtain.
But for each sky wave vector, limited observable
heights are requested for each hop wave due to the
altered propagation path. In Table 1, the lowest
observable heights are listed for the first-hop sky
waves with propagation distances p = 100 km,
p =200 km, p = 300 km, and the radiating heights
h=10m, h=20 m, h=30 m, respectively. It is seen
that the lowest observable height restriction for the
first hop sky wave is weakened as the increase of
radial distance.

In Fig. 5, the electromagnetic field Efe(r,0)| are

computed and plotted at the radiating height z;= 5 km,
radial distance p = 100 km due to unit horizontal electric
dipole excitation, at the operating frequency f = 200 KHz
and f = 300 KHz, respectively. It is shown that the
maximum values and minimum values of the first two




hop sky waves occur periodically because of the
interferences caused by the enhanced angular distances.
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Fig. 5. Amplitudes of the electric field |[E*(r.0)| in dB

versus the propagating distances p due to unit horizontal
electric dipole excitation; a = 6370 km, & = 80, 0 = 5

S'mt, and z, = 5 km; f = 200 KHz, 300 KHz, respectively.

C. Frequency-domain response

In Fig. 6, the electromagnetic components are
evaluated by the variance of operating frequencies, with
the radiating heights z; = 0 km, 1 km, 5 km, and the
distances p =100 km, 200 km, 300 km, respectively. The
equivalent height of the ionosphere assumed to be
h = 90 km for summer day-time, electron density is
N = 10° m?, electron collision frequency is v = 107 s,
the ground which is characterized by the relative dielectric
constant & = 80 and electrical conductivity ¢ =5 S'm™.
It demonstrates that the radiation efficiency is improved
by the enhancement of the radiating height. In the
meanwhile, when the radiating source is located above
the ground, the curves appear oscillatory decaying by the
variance of frequencies.
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Fig. 6. The electric field of sky waves due to horizontal
unit electric dipole excitation versus the frequency;
a=6370 km, & =80, 6 =5 S'm™, and z; = 0 km; p = 100
km, 200 km, 300 km, zs =0 km, 1 km, 5 km, respectively.

D. Time-domain response

Assuming that all parameters are same with those in
Fig. 6, the characteristics of the transient electromagnetic
field generated by a horizontal electric dipole are similar
to those of vertical electric dipole case. The transient
electric component |EM™ (r,t)\ consisting of ground wave

and two sky waves is computed by the inverse Fourier
transformation excited by unit horizontal electric dipole
and plotted in Figs. 7-8. This demonstrates the fact that
excitation efficiency of a vertical dipole is much higher
than that of a horizontal electric dipole for ground wave
component, whereas with the increase of propagation
distance, the sky wave part of the horizontal electric
dipole radiation performance is better than vertical
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electric dipole. Therefore, the radiating source is better
described as a superposition of a vertical electric dipole
representing for the ground wave and a horizontal
electric dipole representing for the sky waves.

In Fig. 9, the ground wave and first two sky wave
pulses are computed respectively. It appears that the
ground pulse and sky waves arrive at distance p = 80 km
and p = 150 km with different time-delays. Specifically,
the time delay for each wave stay longer at the farther
propagating distance.
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Fig. 7. The transient electric field
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Table 1: Restriction on observing heights for first-hop

sky wave

Distance | HED Source | Limit Observable Height
(p/km) (zs/m) at Receiving Point (z/m)

10 8.2777

100 20 17.4862

30 26.8464

10 6.7228

200 20 15.1516

30 23.8845

10 5.3333

300 20 12.9931

30 21.1103

*The limited observable heights are listed for the first-hop sky
waves; for the higher modes of sky waves, the influence of
revised angular distances are negligible compared to the first-
hop wave. They are not listed.
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Fig. 9. The transient electric field [E* (r,t)| inV - m™ due

to horizontal unit electric dipole excitation; a = 6370 km,
=80,0=5S-m?, and z = z;=0 km; p = 80 km, 150 km,
respectlvely.

IV. CONCLUSIONS

The matter of LF sky wave propagation has been
investigated by analytical approximation. In the present
study, it is provided that: (i) Explicit formulas derived
for the evaluations of LF ground wave and sky waves
due to a horizontal electric dipole excitation; (ii) When
both the observation point and the radiating source
are located on the ground, it is demonstrated of high
performance of radiation efficiency for ground wave by
vertical dipole excitation over a horizontal electric one,
while it is opposite for sky waves. (iii) The influence
of LF radiation mechanism appears in time-domain



by different time-delays for the pulses. (iv) When the
observation point and the radiating source are not located
on the ground, the LF waves in variant of propagating
paths are affected by the change of height factors and
angular distances with restricted observable receiving
heights for sky waves.
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Abstract — A precise and efficient radar detection
method based on crossed two-component LFM signal is
proposed to deal with the detection problem of plasma-
covered object. The method contains two segments: 1)
design of transmitted signal, and 2) detection of object
information (position and velocity) from the ambiguity
function of the echo signal. For the first segment, the
transmitted signal is designed to be a 2-component LFM
signal with each component crossing with the other one
in the time-frequency domain. The crossing design of
the two components eliminates the disturbance term
in solving the ambiguity function, guaranteeing the
stability of detection. In the second segment, a mixed
detection technique is proposed, which contains prior-
information-based component classification and optimal
parameters solution, maintaining both the accuracy and
efficiency in detection. By the proposed method, both the
efficiency in computation and accuracy in detection are
achieved. The simulation results illustrate the validity of
the method.

Index Terms— Crossed two-component LFM signal,
plasma sheath, radar detection, reentry object.

I. INTRODUCTION

The radar detection of plasma-covered reentry
object arouses great attention in recent decade years with
the development of applications like spacecraft recycle
and radar surveillance. The emphasis in this research
field lies in the study of the effect and its solution of
plasma sheath on radar echo. Several researchers [1-6]
carried out their work in this field and reveal some effect
rules, including magnitude attenuation, dispersion in
frequency, which may cause the deviation or failure
in detection of object. However, these works mainly
focused on the effect study of plasma sheath but few
gave the way to overcome the effect. Certainly, there are
some methods that can be used to deal with the plasma

Submitted On: October 6, 2017
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sheath effect to some extent, like appending magnetic
field [7,8] and changing the antenna assembly of object
[9]. Unfortunately, these methods are proposed to deal
with the communication breakout problem but not
suitable for the radar detection problem.

In our previous work [10], we proposed an idea of
utilizing multi-component linear-frequency-modulation
(LFM) signal to detect the radar echo of plasma-covered
objects. The motivation of the idea is the consideration
of the influence rule of plasma sheath on ambiguity
function of the echo signal reflected by a plasma-covered
object. The rule can be summarized as following: the
plasma sheath can exert significant influence on the 2-D
time-frequency position of the maximal point of
ambiguity function, but its effect on the 2-D structure of
energy distribution is trivial. Under this consideration,
we found that, by using the multi-component LFM signal
[11-16] as the transmitted signal, one can produce an
ambiguity function with stable and detectable structure,
which is a more suitable way to detect the plasma-
covered object. However, the work in Ref. [10] is
preliminary and leaves a key problem about how to
detect the object from the echo for the case of multi-
component LFM signal as transmitted signal.

There are several methods which can be used to
detect the multi-component LFM signal, including
fractional Fourier transform (FRFT) [12-14], Wigner-

Hough transform (WHT) [15], Radon transform [16], etc.

These methods are effective in solving the parameters of
each component of the composite LFM signal. However,
they have a common weakness, that is: the estimation
precision of the parameters of components strongly
relies on the setup of the increment of rotation angle
and displacement quantity. A higher parameter precision
means a smaller increment which implies a more
complexity in calculation, restricting its real-time
detection application. But the radar detection of reentry
object, considered in this paper, requires both the

1054-4887 © ACES
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precision and real-time capability. Thus, these common
methods mentioned above are not suitable for solving the
detection problem in this paper.

Maintaining both the detection precision (or accuracy)
and the real-time capability in the detection of multi-
component LFM signal is an intractable problem. We
tackle this problem only for the 2-component LFM
signal in this paper. This is because the 2-component
LFM signal is enough to acquire the stability and
detectability in structure of the ambiguity function for
the detection of plasma-covered object.

In this paper, we propose a precise and efficient
radar detection method of plasma-covered object based
on crossed 2-component LFM signal. The detection
method contains two parts: 1) the design of transmitted
signal, and 2) the detection of object information
(position and velocity) from the ambiguity function of
the echo signal reflected by a plasma-covered object. For
the first part, the transmitted signal is designed to be a
2-component LFM signal with each component of the
signal crossing with the other one in the time-frequency
domain of ambiguity function. The crossing design of
the two components eliminates the disturbance term
in solving the ambiguity function, guaranteeing the
stability of detection. For the second part, to maintain
both the precision and efficiency in detection, we
propose a mixed detection technique containing the
prior-information-based component classification and
the optimal parameters solution. By the proposed
method, both the efficiency and accuracy in detection are
achieved. The simulation results illustrate the validity of
the method.

I1. BACKGROUND OF RADAR DETECTION
OF A PLASMA-COVERED OBJECT
Let a transmitted radar signal be s(t). When the
signal s(t) meets with a plasma-covered reentry object,
an echo signal r(t) is generated. The relation of r(t) and
s(t) can be expressed as follows [6]:

r(t) =[s(t) ®1(t) ® p(t)]-exp(j27 fgt), 1)
where t is the time variable within one pulse repetition
interval (PRI) of a radar system, the sign '®"' represents
convolution, I(t) denotes the effect of space distance, p(t)
is the effect of the plasma surrounding the object to be
detected, and fy isthe Doppler frequency caused by the
velocity of the object.

Generally, the plasma effect on a radar echo is
described by the reflection coefficient of plasma p(f)

in frequency domain, expressed by

p(f) = 1p(f)lexp(ipy(f)), )
where | p(f)| is the magnitude of p(f) and ¢, (f) is
the phase of P(f). Note, the p(t) in (1) is a time-domain
expression and it is the Inverse Fourier Transform of
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p(f).

The plasma affects a radar echo both on the
magnitude and on the phase. Fiure 1 shows an example
of the plasma effect based on the measurement data of
'RAM-C' experiment [17]. The label ‘Diff. Phase’ in Fig.
1 means the differential phase which reflects the change
of phase. The 'Max Ne' denotes the maximal electron
density of plasma, which is an important plasma
parameter and is usually varying in a reentry flight of an
object. Clearly, the plasma causes magnitude attenuation
as well as phase jump in frequency domain, as shown in
Fig. 1.
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Fig. 1. An example of the plasma effect on echo signal
both on magnitude (top figure) and on phase (bottom
figure) in frequency domain.

To further reveal the plasma effect on radar
detection, we then give the introduction of radar signal
and that of ambiguity function analysis as follows.
The LFM signal (with one component), as a common
transmitted radar signal, is expressed as the form:

s(t) = Aexp(j(2r fot +$ Bt?)) , A3)

where the symbols A, fy, T, and B are the amplitude,

center frequency, pulse width, and bandwidth of the
transmitted signal, respectively.

The ambiguity function analysis of echo signal is a
popular and useful method in radar detection, by which
the object information about the position (reflected from
the time delay) and the velocity (reflected from the
Doppler frequency) of the object can both be determined.
In addition, the resolution of the echo signal in the 2-D
time-frequency domain can also be revealed from
ambiguity function. Let the ambiguity function of echo
r(t) be y(z, f), expressed by:

2z f) = j_f: s@rf(t+7)exp(j2z fr)dt , 4)

where the superscript ' ' denotes complex conjugation,
and 7 and f are the time delay and frequency shift,



respectively. By detecting the peak of the magnitude of
x(z, f), one can estimate the true time delay and the true

Doppler frequency of an object to be detected. Certainly,
the environmental interference or noise (such as the
plasma effect considered here) may influence the
estimation error.
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Fig. 2. Comparison of echo signal without plasma effect
and that with plasma effect in magnitude. (a) Magnitude
of echo signal without (top) and with (bottom) plasma
effect in frequency domain. (b) Magnitude of echo signal
without plasma effect in time-frequency domain. (c)
Magnitude of echo signal with plasma effect in time-
frequency domain.
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Note: the echo signal r(t) as well as the transmitted
signal s(t) in (4) are usually of intermediate frequency
form in realistic radar system, which implies a down-
conversion operation with a frequency fy,,, . Whatever

faown 1S, it ONly results in an additional oscillation with

fixed frequency on the whole ambiguity function y(z, f)
but not affects the energy distribution of y(z, f). With
this in mind, we omit the down-conversion frequency
faown 1N (4).

Figure 2 shows a comparison of echo signal without
plasma effect and that with plasma effect in the
frequency domain and in the time-frequency domain
solved by ambiguity function. The plasma effect in the
figure is selected to be a severe case to obtain an obvious
comparison (the same with that described by the purple
dashed line in Fig. 1). The transmitted signal is selected
to be a LFM signal with parameters: f, =2.7GHz,

B=200MHz, and T =1us . The horizontal coordinate and
vertical coordinate of the ambiguity function (sub-figure
(b), (c)) are the time axis (denoted by Az ) and frequency
axis (denoted by Afy ), respectively. Note: the true time

delay and true Doppler frequency in the ambiguity
function are both set to be zero here to make the
comparison clear.

It can be found from Fig. 2 (a), compared with the
echo signal in the top sub-figure, that in the bottom
sub-figure has an obvious magnitude distortion and
attenuation in frequency band due to the plasma effect.
From the comparison of Fig. 2 (b) and Fig. 2 (c), it is
clear that the peak of the ambiguity function is shifted
largely in the time-frequency domain, also the magnitude
of the major energy distribution is attenuated. The effect
of plasma will result in distinct deviation in detection of
the object in position and velocity.

I11. RADAR DETECTION OF PLASMA-
COVERED OBJECT BASED ON CROSSED
TWO-COMPONENT LFM SIGNAL

A. Design of transmitted signal

As shown in the Introduction section, the proposed
radar detection method contains two parts, shorted
by signal design and object detection here. The object
detection is obviously the key of the proposed detection
method, by which the object information of an echo
hidden in its time-frequency structure is extracted.
Before the presentation of the object detection, the signal
design has to be introduced firstly.

As indicated in our previous work [10], the peak
point of ambiguity function of echo signal in magnitude
is sensitive to the plasma effect, but its 2-D structure of
energy distribution is insensitive to the plasma effect.
Thus, if one can design a transmitted signal with a
robust and detectable structure, the plasma effect will
be reduced significantly. To meet this requirement, we

667



668

designed a 2-component LFM signal as follows:

2
s(t) = AZexp(j(Z;z fot+ (=)' z Btz)), te [—I,I] ,(5)
ia T 2 2
where A, B, T, and f, are the common amplitude,
bandwidth, pulse width and center frequency of the
two components. Note: the two components in (5) are
designed to cross with each other in time-frequency
domain, which suppresses the generation of disturbance
term in time-frequency domain.

Figure 3 shows an example of ambiguity function
for such an echo signal (without plasma effect). The
setup of parameters is same with that in Fig. 2 except for
the signal type changing to two-component LFM signal.
As shown in Fig. 3, the two components of LFM signal
cross with each other, with the crossing point at the
center of each component, complying with (5).

The horizontal coordinate and vertical coordinate
of the crossing point in Fig. 3 represent the true time
delay (reflecting the true position of object) and the true
Doppler frequency (reflecting the true velocity of object),
respectively. Therefore, the object information (including
the true position and velocity of the object) can be
extracted by detection of the crossing point of the two
components. Actually, detecting the crossing point of the
two components is equivalent to detecting the structure
of the 2-D energy distribution of the LFM signal in
ambiguity function. This is because the crossing point,
as a main quantitative expression of the crossing
characteristic of the 2-D energy structure, possesses a
stable and robust position (2-D coordinate), reflecting
the stability of the structure. Clearly, the shift of the
energy peak of any one component along its main energy
region (a 'line") cannot affect the position of the crossing
point, reflecting its stability.

Afd (MHz)
Magnitude (dB)

06 04 02 0 02 04 06

Fig. 3. The magnitude of ambiguity function of echo
signal for the case of a two-component LFM signal as
the transmitted signal (without plasma effect).
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B. Detection method based on crossed two-component
LFM signal

As stated in Sec. I11-A, the crossing point of the two
components of the LFM signal contains the information
of true time delay and that of true Doppler frequency.
However, the direct detection of the crossing point
with high precision is a difficult problem. We tackle this
problem from the following thinking: the parameters of
the two components can be calculated at first, with which
an equation set is generated; by solving the equation set,
one can work out the crossing point. The key problem in
the thinking is how to obtain an efficient and accurate
estimation (or calculation) of the parameters of the two
components.

To deal with the problem, we propose a mixed
detection method containing prior-information-based
component classification and optimal parameters
solution. Different from the scenarios in Ref. [12-16],
in the detection application of this paper, we have an
important prior information about the echo signal
reflected from a plasma-covered object. That is: the echo
signal is initially produced from a transmitted signal
whose parameters (center frequency, bandwidth, and
pulse width) is known in advance. There are differences
between the echo signal and the transmitted signal due to
plasma effect. But, the differences are minor from the
view of the whole 2-D time-frequency ranges where the
main echo energy locates (see Fig. 3).

In detail, the available information which can be
used as prior information is listed as two parts as below.
a) From the aspect of actual application, the Doppler

frequency shift in an echo signal relative to the

bandwidth of its corresponding transmitted signal is
significantly small, making it possible to partition
the 2-D time-frequency figure of the echo signal
along the Doppler frequency axis.

b) The bandwidth B and pulse width T of the
transmitted signal determine the slope of the
two ‘energy lines' of the main energy regions of

ambiguity function to be J_rTE.

By utilizing the 'part a' prior information shown
above, we will classify all the available peak points
in the two 'energy lines' of echo signal in the 2-D time-
frequency domain. A schematic diagram about the
procedure has been drawn in Fig. 4. As shown in the
figure, we first partition the 2-D time-frequency figure
along the time axis (horizontal axis) to obtain two valid
regions and one fuzzy region. Then we pick all the valid
peak points from the leftmost column to the rightmost
column of the data in the valid region of | ¥(z, f)|. Only
those peak points lying in the two 'energy lines' (marked
by 'linel" and 'line2") are thought to be valid and can be
picked. Note that the 'lines' composed of the picked



points are broken off by the fuzzy region, forming a
fracture region along the vertical axis. Finally, we
classify all the picked points into their corresponding
‘energy lines' ('linel' or 'line2’) according to separation
effect caused by the fuzzy region and the fracture region.

AAf, |2, )]

energy line

energy line

N

lid region

Ay =0 , / Afy <0
T fuzzyregio | § 2/ T

valid region

Az
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‘energy lines'. Actually, by using the 'part b' prior
information of the transmitted signal listed before, we
find that there are only two undetermined parameters by

and b, , which comply with the following equations:

Pl

picked points picked points

y \

linel

A Afd

Fig. 4. Schematic diagram of peak points classification based on prior information of transmitted signal.

The determination of the range of the fuzzy region
is indeed the determination of the maximal Doppler
frequency fy_max . It is related to the maximal relative
velocity v, between the object to be detected and the
radar station, complying with the following equation:

~|Vmax | fO! (6)
c

fd —-max ~

where ¢ is the speed of light, and f, is the center

frequency of transmitted signal. Usually, the velocity
Vmax 1S set as large as possible to ensure the validity of

the classification shown in Fig. 4.
In the picking of the peak points in the 'energy lines’,
there is a magnitude threshold labeled by M qgg) here

(in 'dB' form). For one column of the data in the valid
region of | ¥(z, f)|, only the maximal point larger than

M7 (gg) is thought to be a valid peak point (in an ‘energy

line") and is picked. The threshold is determined by the
following equation:

M+ (gB) =| 2(7, ) Inax(d) —Cr(dB) - )
where | (7, T) lnax(dg) is the maximum of | x(z, f)| in
'dB" form, and Cr(gp) is a const value in 'dB' form

indicating the boundary of the main energy region of
the components. The value Cygp) is set as 6dB here.

In some extreme case where the echo signal is extreme
weak, one can consider to set a smaller Cy ggy (such as

the half-power boundary 3dB) to obtain a more stable
results.

After picking the points and classifying them, one
can evaluate the undetermined parameters of the two

=
.2 line2
on
: I’/
= Hemresen et 27,
S N
line2 = linel
Az
B
by = for +=7pn. (82)
B 8b
b2:fp2_?fp2’ (8b)

where (7, fyy) and (75, fy2) are the time-frequency

coordinate of a picked point in 'linel' and that in 'line2',
respectively.
The optimal by and b, are labeled as by, and

by (opt) - respectively. They are the solution of the following
optimization problem:

N 2
L B
By(opt) =arg min Z(bl —( Fou(n) *+ 3 7oi(n) D . (%)
b nzt

N 2
L B
baopt) = argbmln Z‘i(bz _( fo2(n) —?sz(n) )j , (9b)
n=

2

where N; and N, are the number of picked points in
'line1' and that in 'line2", respectively, and (7 p1(ny, fp1(n))
and (7p2mn)s fp2(n)) arethe coordinate of the n-th picked

point in 'linel' and that in 'line2', respectively.

The optimization problem (9a) and (9b) just can be
solved by the least square method which can generate the
optimal results in the sense of minimizing the energy of
error. Whereas the undetermined parameter here is only
one for one problem (9a) or (9b), so the solution form is
simple, as shown below:

Nl

1 B
byopty = Z( foa(n) +—fp1(n)j !
Ny & T

(10a)

N

1 & B

bZ(Opt) = —N2 zl[ fp2(n) —?sz(n)) . (10b)
n=,
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Replacing by and b, in (8a) and (8b) by bygpr
and by respectively, then combining (8a) and (8b) to
be simultaneous equations and solving the variables f and
7, we obtain the evaluation of the crossing point of the
two components. By simplification of the result, the time
delay 7z and Doppler frequency fy_g of the crossing
point can be expressed as follows:

_ (bl(opt) - b2(opt) )T

TE

2B (11)
£ g = op) * Paop)
2
Obviously, 7 and fy_g correspond to the

estimated time delay and estimated Doppler frequency
of the object to be detected, respectively. The error of
re and that of fy_g can then be defined as:

{ ATE =Tg —Typpe
Afg_g = fa_g — fa_True
where 7rqe and fy_t.,e denote the true time delay and
true Doppler frequency of the object, respectively.

(12)

V. SIMULATIONS

In this section, we will illuminate the validity of
the proposed method. Also we will give a comparison of
the method to the common FRFT-based method to show
its superiority. The software for simulation is MATLAB
R2014, and the computer hardware setting is as follows:
CPU: Intel Core i5 3.3GHz, Memory: 8GB, OS: Windows7-
64bit.

To show the validity of the proposed method, the
noise is considered in the simulation. The signal-noise-
ratio (SNR) is employed to measure the noise level,
which is defined as follows:

SNR =10log;o(Ps / P,) (13)

where the unit of SNR here is dB, and P; and P, are

the power of signal (echo signal without noise) and that
of noise, respectively. As for each test SNR, we make
statistical measures with 100 times (generating 100 noise
samples). For each noise sample, we test four block sizes
of the time-frequency matrix obtained by ambiguity
function. Some common parameters settings are given
as below. The center frequency of transmitted signal is
fo =2.7GHz , the model of transmitted signal is adopted

as a 2-component LFM signal as shown in Sec. Ill. The
plasma effect is selected to be the same case described in
the purple dashed line in Fig. 1, which is a severe case
for the selected transmitted radar signal. The default true
time delay and Doppler frequency of an object is set as
3.5us and 342KHz, respectively.

A. Validation of the proposed method
A fixed transmitted signal is simulated with pulse

ACES JOURNAL, Vol. 33, No. 6, June 2018

width 50us and bandwidth 100MHz. One can find that
the ambiguity resolutions of this transmitted signal in
time delay and Doppler frequency are 10ns (1/100MHz)
and 20KHz (1/50us), respectively. In the calculation of
ambiguity function, the discrete size (or block size) of
the generated function needs to be considered. Clearly,
larger size can provide finer time-frequency structure
which is helpful for estimation, but it will be more
time-consuming. In contrast, smaller size case provides
coarser time-frequency structure but is more efficient in
calculation. As a simplification, the generated figures of
ambiguity function are considered to be square (the same
number of rows and columns). We select four different
block sizes (number of rows or columns) for test: [500,
250, 125, 63], which are in a reasonable range for real-
time radar detection. Figure 5 shows the estimation
errors for the time delay and Doppler frequency by the
proposed method for the four block sizes at SNRs of
-20dB, -10dB, and 0dB, respectively. For each selected
SNR and block size, there are 100 results generated
corresponding to 100 noise samples and drawn in Fig. 5.

As shown in Fig. 5, the estimated time delay and
Doppler frequency tend to concentrate with the increase
of SNR. As for the block size, its influence on the
concentration of estimation results is trivial, but it will
affect the deviation of the results. Usually, the smaller
the block size, the larger the deviation of estimated
results.

Whereas the most important fact observed from Fig.
5 is that the proposed method can work in an acceptable
way even at an extreme SNR of -20dB (see Fig. 5 (a)).
In this extreme SNR case, the estimated results are still
not over the ambiguity resolution (10ns in time delay and
20KHz in Doppler frequency) and have not generate
‘bad point’, which shows the high estimated accuracy
and stability of the proposed method.

To show the deviation and error of the estimated
time delay and Doppler frequency from a quantitative
view, we calculate the average deviation and the std
(standard deviation) of the estimated results. The tested
SNRs are extended to five cases for sufficient test: -20dB,

-15dB, -10dB, -5dB, and 0dB. Let | Azg | be the absolute

average error of time delay and | Afy_g | be the absolute
average error of Doppler frequency. Let 5, be the std

of time delay error and Onf, . be the std of Doppler

frequency error. Fig. 6 shows the statistic results of the
average deviation and std.

As presented in Fig. 6, the average deviation of time
delay and that of Doppler frequency are both insensitive
to SNR. Whereas they can be affected by the block
size distinctively. In general, larger block size is more
possible to generate smaller estimated deviation, which
conforms to the results in Fig. 5. As for the std of
estimated error, the influence of SNR predominates.
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With the increase of SNR, the stds of estimated errors
both for time delay and Doppler frequency decrease.
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Fig. 5. The estimation errors for time delay Azg and
Doppler frequency Afy_g for 4 block sizes of time

frequency matrix at different SNRs. (a) SNR=-20dB, (b)
SNR=-10dB, and (c) SNR=0dB.
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Fig. 6. Average deviation and std of the estimated time
delay and Doppler frequency by the proposed method.

Top left: absolute average error of time delay | ATE | vs
SNR; top right: absolute average error of Doppler
frequency | Afy_g | vs SNR; bottom left: std of time
delay error 5, vs SNR; bottom right: std of Doppler

frequency error 5S¢ vs SNR.

One can also find that the maximal deviation of
estimated time delay is not larger than 3ns and that of the
Doppler frequency is not larger than 1.5KHz. Both of
them are lower than the ambiguity resolution (10ns
for time delay and 20KHz for Doppler frequency)
significantly. As for the stds of estimated errors, they are
also much lower than the ambiguity resolution even for
the extreme SNR of -20dB.

For the time consumption, the proposed method also
has superiority. Actually, the most time-consuming
part of the method lies in the calculation of ambiguity
function. In the simulation of Fig. 5, at any a fix SNR
and a fixed noise sample, the algorithm consumes near
the same time of about 0.5s for each block case without
considering the calculation of ambiguity function. For
the calculation of ambiguity function, it takes about
10.4s, 5.6s, 2.8s, and 1.6s for the block sizes 500, 250,
125, and 63, respectively. Certainly, in the calculation
of ambiguity function, the fast algorithm is employed.
However, one should note that the simulation in this
paper does not utilize the parallel computing. Whereas in
the realistic application, the parallel computing is highly
suggested, which can further significantly reduce the
consumed time.

B. Comparison of the proposed method to FRFT-
based method

To evaluate the proposed method fairly, we employ
the common FRFT-based method to estimate the time
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delay and Doppler frequency. For fair comparison, the
related parameters are set same with that by the proposed
method shown above. The block sizes of the angle-shift
region in FRFT are set as [500, 250, 125, 63], the same
with that in Sec. VI-A. Figure 7 shows the estimated
results for SNR=-20dB.

20 20 SNR:-20dB
— SNR:-20dB — block size:250
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4 10 4 10
20 o 20 o
10 0 10 10 0 10
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Fig. 7. The estimation errors for time delay Azg and
Doppler frequency Afy_g by FRFT for four block sizes
at SNR=-20dB.

As for the block cases 500 and 250 as shown in Fig.
7, the maximal divergences of estimated results have
reached about 20KHz for Doppler frequency and 10ns
for time delay even though the results have better
concentration. As for the cases with block sizes 125
and 63, however, the estimated results are flawed.
Comparing these results with that by the proposed
method as shown in Fig. 5 (&), one can find the resulting
deviation by the proposed method is smaller (not larger
than half of that by FRFT). Furthermore, as for the block
sizes 125 and 63, the proposed method also generates
acceptable result with smaller deviation.

The detailed estimated results for other SNRs are
not shown here for saving space. Instead, we calculate
the average deviation and the std of the estimated results
for all the five candidate SNRs (including -20dB, -15dB,
-10dB, -5dB, and 0dB) and present them in Fig. 8.
Considering the huge estimation errors for blocks 125
and 63 at lower SNRs, we separate these blocks into two
groups and plot the results in two sub-figures, as shown
in Figs. 8 (a) and (b).

As shown in Fig. 8 (a), the average deviation and the
std for the block sizes 125 and 63 do not reach a 'normal
level' until the SNR gets to a larger level (> -10dB here).
Yet the average deviation in the 'normal level' is still
much larger than that by the proposed method in Fig. 6,
even though the std reaches zero. Take a look at the case

of SNR=0: for | Af4_g |, the deviation reaches 141.9KHz
for block size 63 and 19.4KHz for block size 125; for
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|E| , it reaches 7.4ns for the two block sizes. For
block sizes 500 and 250 in Fig. 8 (b), the estimated results
appear to be stable (SATE =01, =0 ) for SNR>-15dB.
Whereas, the average deviations are nearly not affected
by the SNR and are in a higher level than that by the
proposed method in Fig. 6. For SNR>-15dB, | Afy g |
reaches 18KHz for both the block sizes 500 and 250, and
| ATE | reaches 7ns for block size 250 and 3ns for block
size 500.
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Fig. 8. Average deviation (| Azg | and | Afq_g |) and std
(Oar, and S ) of the estimated time delay and

Doppler frequency by FRFT. (a) Block sizes: 125 and 63.
(b) Block sizes: 500 and 250.

The larger deviations of the estimated results by
FRFT are mainly due to that the estimation precision
mainly relies on the setup of increment (or the block size
mentioned here), as indicated in the Introduction Section.
Whereas, given the same block size, the proposed
method makes full use of the block information (exactly,
the 'energy line' information) and the prior information,



with the estimation results solved by an optimal scheme
on those information. This results in a much higher
improvement in estimation, as shown in Fig. 5 and Fig.
6.

For the time consumption, at any a fix SNR and
a fixed noise sample, it is about 1210s for calculating
all the four block cases in all, including 894s, 244s, 57s,
and 15s for the block sizes 500, 250, 125, and 63,
respectively. It is very time-consuming compared with
the proposed method. The applicable fast algorithm
of FRFT in the scenarios of this paper is in the
consideration of our further work.

In all, the simulation results above show the validity
of the proposed method in precision and efficiency. In
addition, the results also illustrate the stability of the
proposed method, in which acceptable estimation results
are generated without ‘bad point” even for SNR=-20dB.
The comparison to FRFT-based method further shows
the superior of the proposed method in solving the radar
detection problem of plasma-covered objects.

V. CONCLUSION

In this paper, we proposed a precise and efficient
radar detection method based on crossed 2-component
LFM signal to deal with the detection problem of
plasma-covered objects. By designing the transmitted
signal to be a crossed 2-component LFM signal and
detecting the object information from the ambiguity
function of echo signal, the accuracy and efficiency are
achieved. The simulation results illustrate the validity of
the proposed method in accuracy, efficiency, and
stability in estimating the object information (position
and velocity). In our further work, some more extreme
cases for plasma influence will be studied and also the
detection of multiple objects will be considered.
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Abstract —When there exists overturning wave crest
on the sea surface, the sophisticated coupling effect
between the overturning wave crest and sea surface
may give rise to sea spikes. As sea spikes will cause the
increase of radar false probability, the investigation of
electromagnetic (EM) scattering characteristics of three-
dimensional (3-D) local sea surface with time-varying
overturning wave crest is meaningful for the remote
sensing. In this paper, the influence of wind speed and
time factor is taken into consideration when constructing
the overturning wave crest, which is ignored in the
traditional Longtank model. In addition, the Integral
Equation Method (IEM) is adopted to calculate the EM
scattering from a 3-D local sea surface with time-varying
overturning wave crest for different incident angles and
wind speeds. The simulation results are meaningful for
analyzing the physical mechanism of sea spikes.

Index Terms— IEM, sea spikes, time-varying overturning
wave crest.

I. INTRODUCTION

The sea spikes, which may cause the increase of
radar false probability, have been hot issues during the
past decades [1-6]. HH signals exceeding VV signals by
as much as 10 dB or more is one of the characteristics
of sea spikes. The overturning wave crest is thought to
be a main reason to sea spikes, where the sophisticated
coupling effect between sea surface and overturning
wave crest may give rise to sea spikes. Therefore, the
investigation of EM scattering from the 3-D local sea
surface with time-varying overturning wave crest is of
great importance for the physical mechanism analysis of
sea spikes.

The Longtank model [7] has been widely used for
the study of physical mechanism of sea spikes [3-5],
which is generated by the University of California
at Santa Barbara. The Longtank model is a series of
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numerically generated wave profiles, representing
different profiles of overturning wave crest. These
previous works indicated that multiple scattering from
the crest and the front face of the overturning wave crest
and the Brewster angle effect are the main reasons to
HH signals exceeding that of VV signals. Actually, the
multiple scattering also takes place between the sea
surface and overturning wave crest. Therefore, it is
necessary to investigate the EM scattering from the 3-D
local sea surface with overturning wave crest. As the
profile of sea surface is related to the wind speed, in
order to combine the overturning wave crest with the
generated sea surface, the wind speed should be taken
into account when modeling. However, the Longtank
model didn’t consider the influence of wind speed.
Therefore, the time-varying overturning wave crest
model is applied to make a combination with the 3-D
local sea surface in this paper, whose length and height
are related to the wind speed and time factor. The 3-D
sea surface is constructed by the Monte Carlo [8]
method. Finally, the 3-D local sea surface with time-
varying overturning wave crest can be built by the
boolean operation, where the interpolation operation is
adopted to avoid the discontinuity of the boundary.

To deal with the EM scattering from the 3-D local
sea surface with time-varying overturning wave crest,
the IEM [9]--an approximate method, is applied as a
result of the limitation of numerical techniques [10-13]
on the computer resource. The backscattering RCS and
scattered electric field ratio of the 3-D local sea surface
with overturning wave crest at different time sampling
points are compared in detail. Meanwhile, the influence
of wind speed on the backscattering characteristics is
analyzed. Furthermore, the influence of overturning
wave crest on the scattering characteristics of sea surface
as well as the physical mechanism of sea spikes is also
discussed. Compared with the previous literatures, our
work focused on the variation of EM scattering of 3-D
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local sea surface with overturning wave crest during the
generation process, giving a detail analysis of sea spikes.

Il. THEORY AND FORMULATION
In this section, a detailed description of the
construction of 3-D local sea surface with overturning
wave crest will be presented. Meanwhile, the EM
scattering from the models was found using the IEM.

A. Time-varying overturning wave crest model

The two-dimensional (2-D) overturning wave crest
is shown in Fig. 1, whose length and height are
represented by H and L, respectively.

z

Wind

h

I—

(@

C 1 X
Fig. 1. The 2-D overturning wave crest.

According to [14], the height of wave is related to
the wind speed, which can be expressed as:

2 2
2y ,2361-expl-—L
18.3269 8.8646

where o =u?®-12.6549, u is the wind speed.

S is defined as S=H /L. Therefore, the length of
wave can be achieved by L=H/S.

The overturning wave crest takes place over a wide
range of temporal and spatial scales. Therefore, the time
factor is included to control its profile,

x=L-((0.5-s,)cos(g)-rsin(¢)+0.5)
2=H-7'/2,, =H[(05-5)sin(g)+rcos(p) |k, / 2,

H =17.03-exp(—

), (1)

)
(&) o _Lr(zs-1)"
' 2 (0<s<05)4" 2

5, =(25)" s, =1-(2s-1)"
where s(0<s<1) is the input space parameter, which is

splitted for the front and back of overturning wave crest.
k,~k, can be obtained in [14]. It should be noted that k

and s are related to the time factor, therefore the profile
of overturning wave crest varies with time stepping.
r =k, (L+cos((s, ~1) 7))/ 2+ ks, ¢ =rmkss /2,
Z,..« = Max{z}, and the period of overturning wave crest
isT=2s.

In this paper, the time-varying overturning wave
crest model is obtained at sixteen different time sampling

(05<s<1), (3)
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points as shown in Fig. 2. The wind speeds are u = 5m/s
and u = 7m/s, respectively. The direction of wind is
along with —x axis and S=1/3. The time sampling
interval is At =0.9 /15(s).

(b)

Fig. 2. The 2-D overturning wave crest for different wind
speeds: (a) u =5m/sand (b) u=7m/s.

As illustrated in Fig. 2, the profiles of overturning
wave crest are obtained at sixteen time sampling points,
which represented the temporal evolution of overturning
wave crest. The height and length of overturning wave
crest increased with wind speed. In addition, the
overturning wave crest begins to generate at t=At,
therefore its height and length are the smallest, which
reached the maximum at t =16At. When the 2-D time-
varying overturning wave crest is constructed, the
corresponding 3-D model can be achieved by extending
the 2-D model in azimuth direction.

B. Construction of a 3-D local sea surface with
overturning wave crest

The 3-D sea surface is modeled by the Monte Carlo
method, where the Elfouhaily spectrum [15] is chosen to
model the sea surface. The profiles of 3-D time-varying
overturning wave crest are generated as described above.
Then the 3-D overturning wave crest is combined with
the 3-D sea surface by the boolean operation to build the
composite model. In addition, the interpolation operation
is adopted at the boundary between sea surface and
overturning wave crest, avoiding the discontinuity at the
boundary.

Figure 3 and Fig. 4 showed the 3-D local sea surface
with overturning wave crest model at t = At , 10At, 14At,

16At . The wind speeds are u =5m/s and U = 7M/s. As
presented in Figs. 3 and 4, these are simplified models
due to the complexiesity of the real overturning wave
crest, which can briefly descibe the temporal evolution
of the 3-D sea surface with overturning wave crest.



2(m)

C. IEM for the 3-D local sea surface with time-
varying overturning wave crest

For the IEM, the governing equations for the
tangential surface fields on a dielectric surface can be
written as the sum of the standard Kirchhoff surface field
and a complementary surface field,

ﬁ><E=(ﬁ><E)k+(ﬁ><E)c 4
AxH =(ﬁ><H)k +(ﬁ>< H)C'
The standard Kirchhoff surface field and the
complementary surface field can be expressed as:

(AxE), =Ax[+R,)(p-Hf +@-R)(p-d)d]E',  (5)
n(fixH), =Ax[A-R,)(p-f)d - (L+R)(p-d)f]E
= fix{k, x[(L-R, )(p-D)f + 1+ R )(p-d)d]E'},

(AxE), =—%(ﬁxf){ﬁxf-ﬁxj.[(l+ R )e+

(6)

()
(LR s Jds - o [~ R)e+ 0+ R)aJds,
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0

Fig. 4. The 3-D local sea surface with overturning wave crest (U = 7m/s): (a) At, (b) 10At, (c) 14At, and (d) 16At.

(ﬁxH)C=%(ﬁxf){ﬁxf.ﬁxj[(1+R”)h+ ©
- R‘l)ht]ds’}+%f{f fix j[(l— R, )h+(1+R,)hJds},
where 1i is the unit normal vector of surface, R ,R, are
the Fresnel reflection coefficient, g, is incident angle.
f = (k, xA)/ | K, x|
d=kxf ©)
K =fxd
&= jkn(WxH)G-(WxE)xV'G-(A-E)V'G, (10)
h=(jk/n)(A'xENG+('xH)xV'G+(i-E)VG, (11)
& =L jkz, (W x H)G, - (W xE')xV'G - (A-E')V'G, / 5], (12)

>

h = {ﬁ(ﬁ'x E)G, +(A'x H)xV'G, +(A'- H)V'G, / ,]. (13)
UA

where f,d k, are the local coordinate vectors, A, A’ is the
unit normal vector of the surface, G is the Green’s
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function, ¢,,u, are the ratios of the permittivity and

permeability of medium 2 to medium 1.

For the scattering of a 3-D local sea surface with
time-varying overturning wave crest by IEM, the model
is meshed into a great deal of triangles. For each lighted
triangle, its Kirchhoff surface field and complementary
surface field can be obtained according to Equation
(5)~(13). The complementary surface field is a sum of
the complementary surface field from the other lighted
triangles, which represented the coupling scattering from
the other triangles. In the end, the the scattered far fields
are calculated by Stratton-Chu integral equation.

I11. NUMERICAL RESULTS AND
ANALYSIS

Firstly, the backscattering RCS of a 3-D local sea
surface with overturning wave crest by IEM is compared
with that of MoM in Fig. 5. The sea surface is 9mx3m,
and u =5m/s. The overturning wave crest is obtained
att =8At. The frequency is f =0.456GHz . The incident
angle g varies from —90° t090°, and the incident vector
is in xoz plane. When ¢, varied from —90° to 0°, it means
upwind incidence, and 0° to 90° means downwind
incidence. The relative permittivity of the sea water is
&, =(72.942,178.069) , which is obtained by the Debye
model [16]. As seen in Fig. 5 (b), the backscattering RCS
of 3-D local sea surface with overturning wave crest by
the IEM shows a great agreement with that of MoM.
Therefore, the validation of IEM is proved.

40 — MoM
IEM

§’30-

0204

o

~104

]

O 04 izati

VV Polarization

x
-10 f=0.456GHz, u=5m/s,t=8At
20 &= (72 942,178. 609)
-90 75 60 45 30 1 15 30 45 60 75 90
3, /%deg
(b)

Fig. 5. Backscattering of a 3-D local sea surface with
overturning wave crest: (a) model and (b) simulation
results.

Figure 6 and Fig. 7 showed the backscattering RCS
of a 3-D local sea surface with overturning wave crest
by IEM for different wind speeds. Four profiles of
overturning wave crest at t = At, 10At, 14At, 16At are
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considered. The sea surface is 9mx3m. The frequency of
incident plane wave is f =0.456GHz , and the relative

permittivity is &, = (72.942,178.069) . The incident vector
is in xoz plane.
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Fig. 6. Backscattering RCS for a 3-D local sea surface
with overturning wave crest ( f =0.456GHz , u = 5m/s):

(@) At, (b) 10At, (c) 14At, and (d) 16At.

-90 75 60 45 30 15

As shown in Fig. 6 the length and height of
overturning wave crest are relatively smaller at the
beginning of generation (t=At). Therefore, the sea
surface scattering plays a major role, and backscattering
RCS of HH polarization exceeding that of VV
polarization is not observed except for 6 =20" ~30".
However, the size of the overturning wave crest
increased with time stepping, and its profile becomes



steeper. There is more incident angles for which HH
scattering exceeding that of VV is observed. It is found
that the sea-spike phenomenon is more likely to occur
for upwind and large incident angle.

It can be seen from Fig. 7 that the backscattering
RCS of HH polarization exceeding that of VV
polarization becomes more obvious compared with
that of u =5m/s. The multiple scattering between the
sea surface and overturning wave crest has a stronger
contributor to the backscattering with the time stepping
due to the increase of the size of overturning wave
crest. Therefore, backscattering RCS of HH polarization
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Fig. 7. Backscattering RCS for a 3-D local sea surface with overturning wave crest ( f =0.456GHz , u = 7m/s): (a)

At, (b) 10At, (c) 14At, and (d) 16At.
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Fig. 8. Backscattering RCS for a 3-D local sea surface with overturning wave crest ( f =1.3GHz, u =5m/s): (2) At,

(b) 10At, (c) 14At, and (d) 16At.
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exceeding that of VV polarization can be observed
for the upwind and large incident angles, where the
difference between HH and VV polarizations is larger
than that of u =5m/s . Meanwhile, this phenomenon
also occurred for some incident angles when the incident
wave is along with the downwind direction, but the

difference is much smaller than that of upwind incidence.

This means that the sea spikes are more likely to take
place for the upwind incidence especially for the strong
sea spikes, which is mainly caused by the multiple
scattering between the sea surface and the overturning
wave crest.
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Figure 8 and Fig. 9 presented the backscattering
RCS for f =1.3GHz. The relative permittivity of the sea

water is ¢, =(72.614,67.067), which is also obtained by

the Debye model [16].

According to the simulation results from Fig. 8, it
can be seen that when the profiles of the overturning
wave crest model became steeper, the backscattering
RCS of HH polarization larger than that of VV
polarization becomes more obvious, and this is agree
with that in Fig. 5. Therefore, it demonstrated that the
overturning wave crest has a strong contributor to the
backscattering from the sea surface and are particularly
responsible for sea spikes. It should be noted that
although overturning wave crest is a main reason to sea
spikes, but not the sufficient condition, which is also
related to the included angle of the overturning wave
crest and sea surface as well as the incident angle.
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As shown in Fig. 9, the backscattering RCS varies
more quickly with the increase of radar frequency,
compared with that in Fig. 6. The scattering of the sea
surface has a main contributor to the backscattering RCS
at t = At, then the RCS of VV polarization is larger than
that of HH polarization. The RCS of HH polarization
exceeding that of VV polarization occurred with the time
stepping. At t =10At,14At,16At, this phenomenon can
be observed for the upwind and large incident angles,
where the difference between the HH polarization and
VV polarization reaches as much as 20 dBsm or more
at t =14At . Compared with the results in Fig. 6, the
roughness of the sea surface and the size of the
overturning wave crest increase with the wind speed.
Therefore, the multiple scattering is more serious as well
as the phenomenon of RCS of HH polarization exceeding
the VV polarization.
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Fig. 9. Back scattering RCS for a 3-D local sea surface with overturning wave crest ( f =1.3GHz, u = 7m/s): (a) At,

(b) 10At, (c) 14At, and (d) 16At.
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Fig. 10. Backscattering electric field ratio: (a) f =0.456GHz and (b) f =1.3GHz.



The backscattering electric field ratio at t =14At
with different wind speeds and frequencies is depicted in
Fig. 10. The blue line represents that the backscattering
electric field ratio is equal to 1.

According to the simulation results in Fig. 10, with
the increase of wind speed, there is more incident angles
for which the strong sea-spike phenomenon is observed.
Besides, a strong sea-spike phenomenon occurred for
the incident angle between —90° and —65°, where the
backscattering electric field ratio has nearly reached as
much as 30. Therefore, it means that the strong sea spikes
are more likely to take place for the upwind incidence,
where the multiple scattering is more serious than that of
the downwind incidence.
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The comparison of backscattering electric field ratio
from a 3-D local sea surface with and without the
overturning wave crest is presented in Fig. 11, where
the overturning wave crest are obtained at three different
time sampling points and represents three different
profiles of the overturning wave crest.

It is found that backscattering electric field ratio is
much larger than 1 for some incident angles when there
exists an overturning wave crest on the sea surface,
which means a strong sea-spike phenomenon. While the
backscattering electric field ratio is usually smaller than
1 when there is not an overturning wave crest, therefore
the sea-spike phenomenon is difficult to take place in this
situation. In other words, the overturning wave crest is
one of the main reasons to sea spikes.

30
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Fig. 11. Backscattering electric field ratio: (a) without/with overturning wave crest (t =10At ), and (b) sea surface with

overturning wave crest (t =14At,16At).

1V. CONCLUSION

In this paper, the EM scattering characteristics of the
3-D local sea surface with the time-varying overturning
wave crest is investigated based on IEM, where the
overturning wave crest model is related to the wind
speed and the time factor. The simulation results
indicated that the overturning wave crest is particularly
responsible for sea spikes. The size and profile of
overturning wave crest also have a great influence on
the backscattering RCS. When the length and height of
overturning wave crest are relatively smaller at t = At
the sea surface scattering plays a domain role, and the
sea-spike phenomenon is hardly to occur. While with the
increase of the length and height of the overturning wave
crest, the multiple scattering becomes obvious. When the
incident angle is close to the Brewster angle of the sea
water dielectric, the VV multipath is greatly attenuated
and results in the sea spikes. According to the simulation
results, the sea spikes are more easily to be observed
for the upwind and large incident angles illumination.
In addition, it should be noted that, as a result of the
difficuly in the construction of real 3-D overturning
wave crest, the 3-D local sea surface with overturning
wave crest in this paper is a simplified model. Based on
the present work, the further study will be carried on a

more complex overturning wave crest model.
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Abstract — In this article, an accurate and fast approach
is proposed to calculate the electromagnetic wave
propagation characteristics over the sea surface under
tropospheric ducting conditions. The method is based
on the parabolic equation and an asymptotic model of
a rough sea surface and is used to calculate the
electromagnetic characteristics and to model the sea
surface reflection. In the proposed model, termed the
extremum approximation of the shadowing effect (EA
of SE) model, the shadowing effect is considered and
simplified to improve the accuracy and shorten the
computation time. The probability density functions
and the propagation factors of different models are
compared, the influence of the rough sea surface and
the shadowing effect on the electromagnetic wave
propagation is analyzed and the model accuracy and
efficiency are evaluated. Some comparisons are made
with experimental data. The results show that the
average error is about 1 dB less after the shadowing
effect is considered; and the proposed approach shortens
the computation time about 600 times while maintaining
a high accuracy.

Index Terms — Electromagnetic propagation, parabolic
equation, rough sea surface reflection, shadowing effect,
tropospheric duct.

I. INTRODUCTION

Electromagnetic (EM) waves are reflected, refracted,
and diffused when propagating in the troposphere over
a rough sea surface. This can result in the alteration of
the radar performance, such as over-the-horizon radar
detection and differences in the radar shadow [1,2]. In
an informationalized battlefield at sea, the real-time
evaluation of the radar performance effectively improves
the radar usage and battlefield survivability. Therefore,
it is important to model, predict, and analyze the EM
propagation conditions rapidly.

It is computationally expensive to calculate
precisely the EM field in a large region under certain
tropospheric conditions and over a rough sea surfaces to
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satisfy military needs. However, the parabolic equation
(PE) model, an approximation model of the Helmholtz
scalar wave equation, can be used for rapid and accurate
EM field calculations [3,4]. The rough sea surface
reflection can be modeled with an asymptotic method
based on the Kirchhoff approximation, in which the
reflection field of the rough sea surface is regarded as
the summation of the coherent field reflected by the
sea surface at different heights. The probability density
function (PDF) of the sea wave height is used to obtain
the effective reflection coefficient of the rough sea
surface [5].

The Ament and Miller-Brown (MB) models [6,7]
are two routinely used rough surface asymptotic models
integrated with the PE model [4]. The advantages of
these models are their fast running times and high
accuracies [8]. However, Fabbro et al. [9] demonstrated
that the inaccuracies of these models are due to the
non-consideration of the shadowing effect; therefore, the
authors proposed the shadowing effect (SE) model,
which is an another rough surface asymptotic model
based on Ament model. Freund et al. [10] also analyzed
the influence of the shadowing effect on the EM field and
verified the accuracy of the model by simulations.
However, this SE model requires integral calculations,
which are time-consuming.

In this study, the influence of the shadowing effect
on the EM propagation characteristics is analyzed and
the extremum approximation of the shadowing effect
(EA of SE) model is proposed to simplify the modeling
of the shadowing effect. The proposed model is used by
the PE to calculate the EM wave field in a complex sea
environment. The simulation shows that the results are
different after the shadowing effect is considered and
the new approach has a similar result but a shorter
computation time than the SE model. A comparison with
the experimental data indicates that the consideration
of the shadowing effect increases the precision of the
results, and that the proposed method has higher
computational efficiency than the SE model and a similar
accuracy.

1054-4887 © ACES
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Il. ELECTROMAGNETIC PROPAGATION
OVER THE SEA

A. PE model

The PE model is a numerical computation method
that is an approximation of the Helmholtz scalar wave
equation [11,12]. The method can be used for the rapid
calculation of EM wave propagation characteristics in
a complex environment. Therefore, it is routinely used
when EM propagation problems are investigated in a
large region with complex environmental conditions.
Using the Feit-Fleck approximation, the wide angle
formulation of the PE is [13]:

82

0 A2
—u(x,z)=i|,|kg +— -k ,
aXu(x z) |[ 5 +622 0Ju(x z)
+iky (n—1)u(x,z)
where n is the refractive index, k, is the free-space

wave number, x and z are the horizontal range and
altitude respectively, and u(x,z) is the wave function.

, o))

The relationship between u(x,z) and the scalar field
®(x,2)is:

u(x,z)=d(x,z)e ", )
where @(x,z) represents the electric or magnetic field
for the horizontal or vertical polarization, respectively.
By using a Fourier transform with z at the range x and

X+Ax, the split-step Fourier transform (SSFT) method
for the PE can be deduced as:

ikoAX(n1) 51 eiAX(\ikéfp“ko)

u(x+Ax,z)=e

3(u(x2))].()

where J(s) and 37*(+) represent the Fourier transform
and its inverse operator. p is a parameter in the spectral
domain and is related to the EM propagation angle &
as p=Kk,sind. Ax isthestep length. By using the SSFT,

u(x+Ax,z) canbe calculated if the u(x,z) atthe range

x is known. The Discrete Mixed Fourier Transform
(DMFT) can also be used instead of the SSFT in Eq.
(3) to calculate electromagnetic wave under impedance
boundary conditions [14]. For calculation the EM
propagation over the rough sea surface, the effective
reflection coefficient is used in DMFT [8].

B. Reflection from a rough surface

In the asymptotic models of a rough sea surface, the
reflection coefficient are corrected using the Kirchhoff
approximation. If T, represents the reflection coefficient

of a smooth sea surface, & istherandom variable of the
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surface height, p(&) isthePDFof &, « isthegrazing

incidence angle, the effective reflection coefficient can
be written as:

[,=p0, (4)
where the function p is the roughness reduction factor,
which is defined as:

p(a)=[""exp(-2ik,Esina)p(&)dé . (5)

C. Asymptotic model of a rough surface
In the Ament approximation, the PDF of the sea
surface heights is regarded as having a Gaussian

distribution with zero mean and variance 0(_? , written as:

1 £?
pA (5) = O_é\/gexp {_T‘;] . (6)
By inserting Eg. (6) into Eq. (4), one obtains:
INCEAE exp(—0.57/20'§2 )ro, ©)

where y =2K,sina .

The PDF of the sea surface height is different in
the MB model. The height of the rough sea surface
is assumed to take the form &=Hsing, where the

magnitude H has a Gaussian distribution with zero
mean and variance 052 and the phase ¢ is uniformly
distributed in the interval [-z/2,7/2]. Therefore, the
PDF of the surface height is:

1 2 2

where K, (+) is a modified Bessel function of the

second kind of order zero. By inserting Eq. (8) into Eq.
(4), one can obtain the effective reflection coefficient of
the MB model:

Tys = exp(—0.5y20§) I (0.5720§ )F , 9
where 1y(s) isthe modified Bessel function of the first
Kind of order zero.

D. Shadowing effect and its extremum approximation
The SE model is based on the Ament model. If

a is the grazing incidence angle, the PDF of the

illumination surface height is written as [10,15]:

Pso (&)= pa(€)S(&aozi0,),  (10)
where o, is the root mean square slope of the surface;

S(&;ar) is a function called the shadow factor and is
defined as:



S(§,a,a§,ar):
_ 2B ol <
1—exp(—ZB)eXp[ Berfc{\li%ﬂ, (11)
- Or
C22rtana

Inserting Eq. (11) into Eq. (5) yields the roughness
reduction factor with the shadowing effect:

PSHD (a,o(;) = J.j:exp(_iyg)pSHD (£)ds

2B +o0 .
o)

xexp{ Berfc[\/_o_gy]] A (£)dé

Therefore, the reflection coefficient of the shadowing
effect for the coherent reflected field can be written as:

I'sio = Poro (a, O'g)l"0 . (13)
It is evident from Eg. (13) that the SE model is
computationally expensive because an integral operator
is needed for the calculation of the effective reflection
coefficient. Since the PDF of the illumination surface
height has an approximately Gaussian distribution, the
PDF of the SE model can be simplified by assuming a
Gaussian distribution [9]. However, the calculation of
the mean and variance still require integral operators
using the illumination height PDF pgp (&;a ). Therefore,
an extremum approximation method is proposed in this
study to obtain the reflection coefficient of the shadowing
effect in a relatively short time.
Because the mean and variance of the Gaussian
distribution are related to the extremum of the PDF,

the illumination surface height PDF  pgp (&;a) can be
Gaussian fitted at its extreme point.

(12)

g .
If h=—2=—the ;a) can be expressed as:
N Pso (1) p
Perp (&) = f(h) = Aexp[ -Berfc(h)-h], (14)
where the parameter A is:
2B 1 (15)

~ 1-exp(-2B) «/27[0‘5 '
If calculating the derivative of f(h) and making
f’(h)=0; then the parameter h must satisfy:

\/i_exp(—hz)—hzo. (16)
T

Transform Eg. (16) and it can be expressed as:

_2In\C xexp[ -21In ch 25 17)
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fh

If k=-2In——, Eq. (17) can be written as:

kexp(k):ZBz/ﬁ. (18)
The extreme point h in Eq. (14) can be calculated
using the Lambert function:
kIL(ZBZ/ﬂ), (19)
where L(s) represents the Lambert function.
Therefore, the mean mé and root mean square cré
can be written as:
m. =+20.h
ol = 1 , (20)
s r.
N27 Pspp (mg’a)
Then, the PDF of the illumination surface height can
be described as:
/\2
(§-m;)

1
exp| — ,
Gé NEY 20&2
and the effective reflection coefficient is:
e = exp(—iQmé —o.5yza§)r0 (22)

The phase of the effective reflection coefficient is
related to the mean value of the surface height and its
magnitude is related to the variance of the surface height.
The Ament model and the MB model are only corrected
with regard to the magnitude of the reflection coefficient
but not the phase. However, in the SE model and the
proposed model, the magnitude and phase of the
coefficient are corrected.

(21)

pE(ﬂ“):

I1l. SIMULATION AND VERIFICATION
In order to determine the precision and efficiency of
the EA of SE model, the PDF and the propagation factor
(PF) of the models are compared using a simulation.
The simulation is performed in MATLAB 2016a on a
computer with an Intel i5 3.2 GHz CPU.

A. Comparison of the PDF

The PDFs of the models are calculated and
compared. Assuming that the grazing incidence angle
« 15 0.5° the root mean square of the surface height and
slope are calculated using the Elfouhaily wave spectrum
at a wind speed of 7 m/s [16]. Figure 1 shows the PDFs
of the different models.

In Fig. 1, the symbols p,., Pug: Psup,and Pe
represents the PDFs of the Ament model, MB model, SE
model, and EA of SEmodel respectively. The mean value
and the root mean square of the p, and p,,z are Oand

0.3199. The mean values of the pg,, and p. are
0.4090 and 0.3989 and the root mean square values are
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0.2233 and 0.2106 respectively. The results in Fig. 1
show that the mean value is higher for the pg,, than
the p,. That is because the PDF of the Ament model
only takes into account the wind speed (surface height
variance o) but the PDF of the SE model also takes
in account the grazing incidence angle « and only the
illumination surface is considered. As the value of «
decreases, the illumination surface decreases, which
results in an increase in the surface height mean value
and a decrease in the root mean square of the pg5 , as
shown in Fig. 2. The curves of the pgp and pe are

similar but there are some differences because the PDF
of the SE model does not have a perfect Gaussian
distribution.
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Fig. 1. PDF of surface height.
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Fig. 2. Mean value and root mean square vs grazing
incidence angle.

B. Comparison of the PF under simple conditions

A horizontally polarized 3-GHz line source at a
height of 10 m was used to compute the PF over the sea
using a geometrical optics (GO) two-ray model. In the
simulation, the propagation range is 1 km, the height
is 50 m, the number of height grid points is 250, the
wind speed is 7 m/s, and the atmospheric effects and the
earth’s curvature are ignored. The PFs of the four models
are shown in Fig. 3.
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Fig. 3. Propagation factors under simple conditions.

The symbols 7., 7yg+ 7sup. and 7 represent
the PFs calculated by the Ament model, MB model, SE
model, and the proposed model respectively. It is evident
that, after the shadowing effect is considered, the results
of ng,p and n, exhibit clear differences in the heights

and maximums of the peaks and nulls. The heights of the
PF peaks and nulls are determined by the phase of the
reflection coefficient, which is different in the Ament
model and the SE model. The mean value of the surface
height is zero in the Ament model; therefore, its phase of
the reflection coefficient is equal to that of a smooth
surface. However, the phase is different in the SE model
because only the illumination surface is considered,
which results in different heights of the peaks and nulls.
The maximums of the peaks and nulls are determined by
the magnitude of the reflection coefficient. In the SE
model, only the reflection field from the illuminated
surface is considered and this results in an increase in
magnitude of the effective reflection coefficient. The
increase in the reflection field results in an increase in
the maximums of the peaks and nulls. The heights of the
peaks and nulls are identical in 7, and 7,5 but the

maximums are different, which means the phases of the
reflection coefficient are identical in 7, and 7, but

the magnitude is larger in 7,5 . A comparison between
Nsup and 7mye shows that the maximum of 7g,, is

larger at a low altitude but smaller at a high altitude.
This is attributed to the smaller grazing incidence angle
« at a low altitude, which results in a larger effective
reflection coefficient and maximums of the peaks and
nulls in 7,5, than in 7, ; the opposite result is

observed at high altitude. 7g,, and 7. have similar
results with an average error of 0.07 dB, which indicates



that the EA of SE model has a similar precision as the SE
model.
The computation times of the four models 7, ,

Mve+ Msupo and zg are 0.002 s, 0.008 s, 8.94 min,

and 0.781 s respectively. Because the integral operator is
needed in the SE model, its computation time is much
greater than that of the other models, which means
the EA of SE model improves the efficiency while
considering the shadowing effect.

C. Comparison of the PFs under complex conditions

The PE model and the asymptotic model of a rough
surface are used to calculate the PF under tropospheric
ducting conditions and a rough sea surface. A Gaussian
antenna pattern is used with a 3° lobe width, 0° elevation,
and 9 GHz frequency at 10 m height. The wind speed
is 5 m/s and the duct height is 15 m. Because the EM
energy is influenced by the tropospheric duct, some of
the EM energy is trapped in the duct layer, which results
in the increase in the PF over the sea. Four asymptotic
models are used in the PE model to calculate the PF at a
range of 100 km; the PFs are plotted versus the height
and are shown in Fig. 4.
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Fig. 4. Propagation factors under complex conditions.

The symbols 7., 7yg: %sup.a@nd ng represent
the PFs calculated by the PE with the Ament model, MB
model, SE model, and the proposed model respectively.
Figure 4 shows that 7, and n,,; havesimilarcurves.
However, the 7,5, Which maximum is 10.277 dB, is
slightly larger than the 7, , which maximum is 10.252
dB, as its magnitude of the reflection coefficient is larger
in the MB model than in the Ament model, which results
in a stronger reflection field in 7,5 . It is also observed
that the #7g,o is larger than the 7, and 7. The
reason is that, when the EM energy propagates in the
tropospheric duct, the grazing incidence angle « is
small; therefore, the magnitude of the effective reflection

coefficient is larger than that of the Ament model and
MB model and the maximum of the 7,5 isabout1dB

larger than that of the 7, . However, the computation

CUI, CHA, TIAN: A PROPAGATION MODEL FOR ROUGH SEA SURFACE CONDITIONS

time of the 7g,, (11.43 min) is much longer than that
of the 7, (0.495s). The 5 and gy, have similar
curves but the 7. has a shorter computation time

(1.158 s), which means the approximation model is a
more efficient model with similar results.

IV. EXPERIMENT AND VERIFICATION

The experimental data were obtained at Dachen
Island in China in 2007 and are used for the verification
of the models [17]. The atmospheric conditions and
the tropospheric duct were measured using a weather
balloon and a meteorograph. The radar transmitting
antenna operating in the X band was mounted on the
beach at a height of 15 m. A horn antenna was used as
the receiving antenna and was mounted on a boat at a
height of 2 m. A meteorograph was used on the boat
for measuring the wind speeds, humidity, temperature,
and pressure. The wind speed was 2-4 m/s during the
experiment. The PE model and the asymptotic model of
a rough surface were used to calculate the propagation
loss and the results are shown in Fig. 5.
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Fig. 5. Range versus propagation loss.

In Fig. 5, the blue points are the experimental results
and the symbols L, and L, represent the Ament

model and MB model, whose curves are identical
because the effective reflection coefficients are very
close to the smooth surface reflection coefficient due
to a low wind speed. The symbols Lg,, and Lg

represent the SE model and the proposed model, whose
curves are also identical. The effective reflection
coefficients of the two models are close to the smooth
surface reflection coefficient in magnitude but different
in the phases, which results in the differences in the
propagation losses for L, and L, . The average

errors of these models are shown in Table 1. Compared
with the experimental results, the SE model and the
proposed model have average errors that are nearly 1 dB
lower than those of the other models. The computation
time of the proposed model is about 600 times shorter
than that of the SE model.
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Table 1: Computation time and average error

Model La Lve Lsvp Le
Average
Ervor gy | 347 | 347 | 284 | 255
Computation | 315 | 0.320's |10.14 min|1.074 s
Time

The results are close to the experimental results after
the shadowing effect is considered but errors still remain.
The errors may be caused by the following:

1) Measurement errors. The weather sensors in the
weather balloon have a slow reaction time due to a 1-Hz
sampling rate. The accuracy of the pressure sensor is
0.3 hpa, which means that the accuracy of the height
calculated by the barometric formulais £3 m. Therefore,
an error exists in the refractive index profile, even after
using the noise reduction method.

2) Errors caused by the horizontal inhomogeneity
and turbulence of the tropospheric duct. There are
some random changes in the refractive index profile at
different ranges and heights, which results in the errors
of the propagation loss.

3) Model errors. The parameter of the grazing
incidence angle « is needed at different ranges in the
PE model and the SE model. The angle « is obtained
by a ray-tracing method and errors may occur because it
is an approximation method.

V. CONCLUSION

The Ament model and MB model are routinely used
in the PE model for the rapid prediction of the EM
propagation characteristics under tropospheric ducting
conditions over the sea surface. However, the shadowing
effect caused by the rough sea surface is not considered
in these models. The SE model has a higher accuracy
but is computationally expensive. In this study, a new
approximation model is proposed to simplify the
shadowing effect; this model has a higher computational
efficiency and similar accuracy as the SE model. A
comparison with the other models and the experimental
results indicate that the EA of SE model used in
conjunction with the PE is a fast and accurate model for
the calculation of the EM propagation characteristics.
Therefore, the proposed model satisfied the needs of the
real-time evaluation of the radar performance to improve
the battlefield survivability.
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Abstract — A combline filter with quasi-elliptic
performance with external quality factor and internal
coupling tuning is presented in this paper. In this design,
a wide center frequency tuning range with a constant
3-dB FBW (fractional bandwidth) and ABW (absolute
bandwidth) is obtained. Also, it is demonstrated that the
transmission zero located at the lower edge of passband
can be adjusted with little effect on the passband
characteristic. A prototype of the tunable filter with a
tuning range of 1.27GHz to 2.25GHz is fabricated on
a substrate with £=10.2 and h=1.27mm. Through tuning
internal coupling coefficient and external quality factor,
one can make the filter operate over a wide center
frequency tuning range, with a constant 3-dB FBW
(fractional bandwidth) nearly kept at 54% or ABW
(absolute bandwidth) nearly kept at 500 MHz.

Index Terms—Absolute bandwidth, coupling coefficient,
fractional bandwidth, quality factor, tunable filter,
transmission zero.

I. INTRODUCTION

Tunable bandpass filter is increasingly concerned
in recent years, which is available to reduce the overall
size and complexity of the modern communication and
radar systems. Compared with other tunable filters, the
combline topology is most frequently applied in the
circuit design, due to its several advantages, such as
miniaturization, one unique transmission zero in the
upper band, convenience for integration and so on [1-9].
In [1-2], the designed method on the basis of the detailed
formulas for a fundamental combline bandpass filter
is presented, also its application is discussed. In [3-4],
the resonator of SIR is utilized to keep the absolute
bandwidth constant during the center frequency tuning.
In [5], the short-circuited end of the resonator applied in

combline filter is replaced by the lumped series resonator.

And a wide tuning range can be achieved with only a
small capacitance ratio of varactor. In [6], two coupled
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lines are introduced between the adjacent resonators to
produce the source/load coupling and the multi resonator
coupling. Then five tunable transmission zeros are created
at the upper passband. In [7], the series RC unit is added
to the first and last resonator to make the Q factor
distribution of the resonator non-uniform. And then
the passband flatness and selectivity of the filter are
enhanced. In [8-9], the tunable filter with constant
fractional bandwidth and absolute bandwidth is designed.
Due to the cross coupling mechanism of the combline
filter, transmission zeroes is always produced only at the
upper passband edge, thus improving the selectivity of
the filter at one side. However, the smoothing decrease
of the rejection at the lower passband limits its practical
application. Thus, another new transmission zero should
be created at the lower passband to tackle the problem.

Several tunable combline filters with elliptic function
performance have been designed [10-12]. In [10], a
three-pole combline filter with two tunable transmission
zeros located at two edges of the passband is presented.
The additional transmission zero at the lower side is
created due to a section line shunted with a varactor.
In [11], a cross coupling between the non-adjacent
resonators is produced, thus a new transmission zero is
supposed to be generated to give the filter a quasi-elliptic
performance. It is noted that [12] firstly demonstrates
a four-pole combline filter with a pair of tunable
transmission zeros at the two edges. And the phase
difference between the main transmission path and other
paths is analyzed to explain the production of the zeros.
However, although some improvement is made to the
performance of combline filter, how to simultaneously
adjust the external quality factor and the internal
coupling coefficient to control the bandwidth and control
the position of the novel transmission zero is not
discussed.

In this paper, a novel combline bandpass filter in Fig.
1 is presented. Varactors are employed to connect the
adjacent resonators, the resonator and the 1/O coupling
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transmission line to tune the external quality factor and
internal coupling tuning together. Therefore, the relative
bandwidth and absolute bandwidth can be adjusted
during the center frequency tuning, and in the paper FBW
or ABW is nearly invariable in the process of the center
frequency change. In addition, the application of a novel
transmission line which produces the cross coupling
between the /O transmission lines creates a novel tunable
transmission zero at the lower passband edge, thus,
improving the selectivity of the designed filter. In this
way, the tunable filter with fixed bandwidth can be used
to connect with frequency synthesizer (PLL or DDS)
which produces frequency-hopping signal of constant
bandwidth to suppress spurious signal. And also, the
filter is considered as a candidate for the switching-filter
component which is frequently composed by several
filters of adjacent passband. Detailed theoretical design,
simulation, and experimental results for the tunable filter
are demonstrated and discussed below.

Fig. 1. Circuit of proposed tunable combline bandpass
filter (Wr=1.2mm; Wo=0.4mm; W;=0.8mm; W=0.4mm;

S01=0.3mm; S1,=0.2mm; Sc=0.2mm; L¢=5.6mm;
Leo=1.5mm; L=2.8mm; L;=6.8mm; L,=6.4mm;
Lo1=1.45mm).

I1. ANALYSIS AND DESIGN OF THE
PROPOSED TUNABLE FILTER

In Fig. 1, the circuit configuration of the proposed
tunable filter is shown. It can be seen that thirteen
varactors marked as Di, Dj, D3, and D4 are applied to
satisfy the requirement for center frequency, internal
coupling coefficient, external Q factor and the
transmission zero tuning. Besides, to provide the DC
power, several blocking capacitors C are utilized. What’s
more, a cross coupling path are introduced here to bring
an additional transmission zero at lower passband. And,
the characteristic impedances of the two microstrip lines
at the input/output ports are both 50Q.

It is clear from Fig. 1 that the varactor D, is applied
to change the external Q factor of the filter, while
D3 used to tune the internal coupling coefficient. And
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the technique to calculate the Q factor and coupling
coefficient can be found in [13-14]. Hence, Fig. 2 (a) is
drawn to present the relationship between the Q factor
and capacitance value of D, while the coupling coefficient
vs. capacitance value of Ds is given in Fig. 2 (b). In the
figures, four capacitance values of D, that controls center
frequency are considered. As is known, Q=g¢g:/FBW
and M; i+1=FBWI/(gigi+1). Thus, various combination of Q
and M1 means different bandwidth. Taking D:=1.2pF
as an example, 52.3% of FBW which is the final result in
this paper will be obtained when making D2 and D3 equal
1.1pF and 1.3pF.
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Fig. 2. (a) The relationship between external Q factor and
capacitance value of Dy; (b) the relationship between
internal coupling coefficient and capacitance value of Ds;
(c) bandwidth change during the adjustment of D,and Ds;
(d) the constant FBW during the center frequency moving;
(e) the constant ABW during the center frequency moving.

To demonstrate the tunable characteristic for the
bandwidth, Fig. 2 (c) which represents the variation
process of bandwidth are plotted for the fixed value
of D1 (1.9pF) and D4 (4.2pF). It is found that FBW is
adjusted from 46.6% to 60.4% during the Ds’s decreasing.
And it should be remembered that a wider tuning range
of FBW will be gotten, if expanding value’s limit of D,
and Ds. Figure 2 shows that the external Q factor and the
internal coupling coefficient are inversely proportional
to the capacitance value of Dz and Ds. And for a fixed
value of D, and Ds, the decrease of Dy will lead to the
decrease of Q factor and coupling coefficient [15-18].
Thus, to maintain the FBW as a constant, D, and Ds
should be adjusted simultaneously to keep the Q factor
and coupling coefficient almost unchanged. Considering
the element values go=04=1, g1=035=1.2275 and g,=1.1525
for Chebyshev lowpass prototype filters as an example,
FBW of about 56% will be obtained when D; is made to
be 3.4pF which tends to locate the center frequency of

ACES JOURNAL, Vol. 33, No. 6, June 2018

filter around 1.26GHz, while D2 and D3 which respectively
determine the external Q factor and internal coupling
coefficient are equal to be 3.2pF and 4pF. D4 deciding
the position of novel transmission zero is assigned 7.1pF
on the basis of the technique involved below. And from
Fig. 2 (d), with the decrease of the value of Ds, one
should correspondingly reduce the values of D, and Ds
simultaneously to fix the FBW depending on Fig. 2 (a)
and Fig. 2 (b). And, properly adjusting the values of D,
and D3, FBW can be almost unchanged in the whole
process of center frequency tuning. What’s more, it is
seen from Fig. 2 (e) that properly adjusting D, and D3
simultaneously, the absolute bandwidth (ABW) can also
be almost unchanged during the D; change. To maintain
a constant ABW during the increase of center frequency,
the coupling coefficient should be decreased and the
external quality increased.

For the conventional combline tunable filter, one
transmission zero is always created at the upper passband
edge, thus improving the selectivity of the filter at one
side. So, another transmission zero should be produced
at the lower passband to improve the rejection. In this
paper, an additional signal propagation path whose
equivalent circuit model is shown in Fig. 3 (a) is
introduced from input coupling line to the output one.
Hence, the quasi-elliptic performance is expected because
of the multiple path cancellation. And the location of
novel transmission zero is decided by the resonating
frequency of the coupled lines.

Figure 3 (b) and Fig. 3 (c) show the odd mode and
the even mode equivalent circuit. It is obvious from
Fig. 3 (c) that even mode resonating frequency is non-
adjustable. In this case, the odd mode resonating
frequency which can be controlled by D. is used to adjust
the novel transmission zero. Sii, of the odd mode
equivalent circuit in Fig. 3 (b) can be written as S110=(Yo-
Yino)/(Yo+Yino), Where Y, is the characteristic admittance
of the circuit, Yino=(-Y11XYin-Y112-Y12?)/(-Yin-Y11), where
Y11, Yin and Y12 can be found as below:

Yll :Y22 == jO'S(Yoe +Y00) COt(e) ' (1)

Y12 = Y21 = J O'SWoe _Yoo) CSC(Q) ) (2)

- (Y,@C +Y,” tan(@
Yin =1 ( " an( %4 —wCtan(0))" (3)

In the equations, Yee and Yo, denote the even mode
characteristic impedance and the odd mode characteristic
impedance of the coupling line, 6=6,=6.. And the odd
mode resonating frequency which makes S;10=0 true,
identifies the location of transmission zero. And, the
equivalent circuit simulation in ADS (Advanced Design
System) also indicates the resonating frequency of odd
mode and even mode. In addition, Fig. 3 (d) is presented
to demonstrate how the value of D4 influences the
resonating frequency.
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Fig. 3. (a) Equivalent circuit of the new transmission
path; (b) the odd mode equivalent circuit; (c) the even
mode equivalent circuit; (d) the odd mode resonating
frequency of the added coupled line (Z4,=75.6Q; 6,=8.7°;
Zoe=107Q; Z00=37Q; 6,=8.7° for f;=1GHz); (e) S21
simulation result for D;=1.2pF; (f) S11 simulation result
for D1=1.2pF.

In conclusion, the resonating frequency is inversely
proportional to the value of D4. To further demonstrate
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how the produced transmission zero is controlled by Da,
Fig. 3 (e) and Fig. 3 (f) are given. And, the proper value
should be set to D, and D3 based on Fig. 2 (a) and Fig. 2
(b). What is shown in Fig. 3 has proven that adjustment
of Dj results in the change of the transmission zero at
lower band. However, as the novel transmission zero
moved away from the passhand, a resonating transmission
pole becomes increasingly obvious. Hence, to tackle the
problem, the value of D, is chosen carefully to make the
lower transmission zero approach passbhand.

I11. DESIGN OF THE TUNABLE FILTER

Based on the analysis above, the design parameters
are determined as follows:

Step 1): Select the third-order low-pass prototype
with elements. Then calculate the external quality factors
Q. and the coupling coefficient M;; through Q=gog/FBW
and M i+1=FBW/(gigi+1), where FBW is the 3-dB fractional
bandwidth.

Step 2): Determine the dimensions of the proposed
tunable resonator. Initially, the impedance of the
transmission line is conveniently selected as 72Q
(W;=0.5mm is chosen initially), and the electrical length
of the coupled line is set to 45 degrees at 1.7GHz
(L=7.4mm), according to the required frequency tuning
range. The spacing Si» between two resonators can then
be determined. An initial value for Si. is chosen such
that the coupling coefficient of the coupled resonators
satisfies the bandwidth requirement at the center
frequency.

Step 3): The rest of the design parameters are then
determined. The coupling 1/0O structure is adopted to
satisfy the constant bandwidth requirement over a wide
tuning range because it has wideband matching behavior.
The input/output line is typically chosen to be a high
impedance line for tight coupling. Se1z and Wy are then
chosen to satisfy external quality factors Qe, using the
well-known coupling coefficient/external Q. method
described in [13].

Step 4): An additional signal propagation path
shown in Fig. 3 (a) is employed from input coupling line
to the output one to create a novel transmission zero. And
equivalent circuit technique is adopted to find the initial
value of S¢ and L. In the paper, short coupling lines of
15 degrees in length are chosen. And S is selected to be
the same as Si, for simplicity.

Step 5): Finally, some necessary optimization is
carried out, making use of electromagnetic EM simulation
in SONNET. The estimated circuit dimensions from
previous steps are substituted into a full wave EM
simulator for including discontinuity, via-hole, and non-
adjacent coupling effects. And when the center frequency
is changed by Ds, another group of value for D,, D3 and
D4 units must be updated to keep the good passband
performance based on Fig. 2 and Fig. 3.

A tunable filter of constant bandwidth is designed
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on RT/Duroid 6010 with £=10.2 and h=1.27mm with an
overall size of 22x25mm?. Electro-magnetic simulation
software of SONNET is applied for the optimization.
Three kinds of silicon junction varactor diodes produced
by Nanjing Electronic Devices Institute are applied.
WB62 (Ci=0.45~4.23pF; R=1Q; Q=3000 at 50MHz for
C=1.07pF) is selected as D; to accomplish the center
frequency tuning, while the wide tuning range varactor
WB2011H (Ci=1.79~20.53pF; R<=0.5Q2; Q=1200 at 50MHz
for C=6.73pF) is chosen to adjust the location of the
transmission zero. Besides, for the trivial space between
the two adjacent resonators, the bondable chip varactor
W205 (C=0.8~11.54pF; R~=1.2Q2; Q=800 at 50 MHz for
C=3.55pF) is considered as the candidate for the coupling
coefficient and external Q factor control, and the bonding
wire is applied to finish the connection. Murata 0402
lumped components and 100pF chip capacitors are used
for DC blocking and biasing.

Fig. 4. Photography of the tunable combline filter.

In Fig. 4, the photography of the novel tunable filter
is introduced. And the simulation and measured result in
which the bandwidth is nearly kept unchanged are given
in Fig. 5 and Fig. 6. The filter with the lowest center
frequency 1.27GHz is optimized at the beginning
(D1=3.4pF, D,=3.2pF, D3=4.3pF, Ds=7pF). Then, Dy is
decreased to raise the center frequency to be 2.25GHz,
while D4 is reduced to move up the transmission zero
correspondingly according to Fig. 3. Finally, D, and Ds
are adjusted monotonously to be 1pF and 0.6pF to keep
a constant quality factor and coupling coefficient. Thus,
nearly a constant fractional bandwidth can be acquired.
And, for the case with unchanged absolute bandwidth
during center frequency moving, D, and Ds are tuned to
be 1.2pF and 3.5pF.

According to [10], the following equation indicates
that FBW and Q, both mainly determine the insert loss
of the filter:

n g
IL(dB) =4.343) =L, “4)
®=438250,
where A stands for the fractional bandwidth and Q,
represents the unloaded quality factor of resonator. Again,
go=04=1, 01=03=1.2275 and g,=1.1525 for Chebyshev
lowpass prototype filters are considered and Q, of the
resonator covers the value range of 50 to 90 during center
frequency tuning. Thus, IL is almost less than 2dB for
most tuning cases. However, the measured insertion
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loss at the tuning range varies from 3dB to 5dB. This
difference of IL is due to the SMA connector and the
deviation of the diode’s index.

Figure 5 and Fig. 6 demonstrate the simulated and
measured results, with the center frequency turning
from 1.27GHz to 2.25GHz. One can figure out that
the filter achieves the quasi-elliptic performance. And
the adjustment of D4 makes the transmission zero close
to the passband. Besides, D, and Ds are changed
correspondingly during center frequency tuning in order
to keep the FBW and ABW invariant. As a result, the
range of 52.5%~55.8% of the fractional bandwidth and
absolute bandwidth of 490MHz~512MHz are obtained.
To see the similarity, both the simulated and measured
curves are plotted in one graph as shown in Fig. 5
and Fig. 6. Good agreement can be observed between
the simulated and the experimental results. The slight
frequency shift and difference of insert loss between
measured and simulated results may be caused by
the fabrication errors and the SMA connector. So, the
comparing results given below have proven the advantage
of the novel structure.
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Fig. 5. Simulated and measured results of combline filter

with constant FBW. (Voltage for the varactors during

measurement is turning as below: V1:5.1-0.9V; V,:11.3-

1.9V; V3:17.6-2.9V; V4:19.4-3.1V).

The comparisons of measured results for several
tunable filters [5, 10-12] are shown in Table 1. It can be
concluded that although the capacitance ratio for Dy in
this paper is not the smallest one, the tuning range of the



center frequency is wider than other compared structures.

And as other tunable filters, the one introduced in the
paper also have two transmission zeros at passhand edges
to improve the rejection. And the lower transmission
zero can even be adjusted. Finally, being different from
other tunable filters, FBW can almost be invariant during
center frequency changing for the designed one in the

paper.
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Fig. 6. Simulated and measured results of combline filter
with constant ABW. (Voltage for the varactors during

measurement is turning as below: V1:5.1-0.9V; V2:11.7-
2.1V; V3:9.2-1.6V; V4:19.4-3.1V).

Table 1: Comparisons with wideband filters

Tuning C Size Diode I
Ref. (Réﬂgg Ratio| (Aqo@2GHz) | Number Elliptic
[5] ]| 1.7~22 | 2.6 | 0.35x0.51 4 No
[10]| 1.5~2.2 | 6.7 | 0.20x0.28 9 Yes
[11]]1.75~2.25| 6.7 | 0.18x0.26 5 Yes
[12]| 1.55~2.1 | 5.6 | 0.21x0.30 10 Yes
This|1.27~2.25| 3.8 | 0.37x0.42 13 Yes

1V. CONCLUSION

In this work, a 1.27~2.25GHz tunable combline
bandpass filter based on external quality factor and
internal coupling tuning is proposed. During the tuning
of the center frequency, coupling coefficient and external
quality factor are adjusted to keep the bandwidth as a
constant value. Additionally, a novel transmission line
is applied to generate the coupling between the 1/0
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transmission lines to produce a new tunable transmission
zero at the lower passband edge. Moreover, the quasi-
elliptic performance can be observed at the simulation
and measurement results. Therefore, the proposed filter
exhibits good frequency selectivity, suggesting a good
substitute for radio communication application.
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Abstract — For purpose of providing effective method of
optimal design and failure prediction of plug-in power
connector with imperfect assembly conditions, this paper
evaluate distributions of operation current, temperature
rise and electromagnetic forces of gas insulated bus
(GIB) plug-in connector by mechanical-electromagnetic-
thermal multi-physics coupled finite element (FE)
method. The FE procedure took current constriction
effects among contact spots into account by imperfect
contact bridge model. Effectiveness of numerical model
was verified by physical experiments. Mechanical,
electromagnetic and thermal behaviors of plug-in
connector under various assembly conditions (preloading
force, conductor insert depth and docking angle) were
analyzed. Results show that due to the deviations of
contact forces, operation currents and temperature rises
among contact spots are not uniform. Influenced by
overheating and electromagnetic force on several terrible
contact spots with larger currents flow through, load
capacity of plug-in connector could be reduced to
82%, 46% and 15% of design values with insufficient
preloading contact force, insufficient conductor insert
depth and docking angles deviation.

Index Terms — Electromagnetic force, finite element
method, GIB, plug-in connector, short circuit current.

I. INTRODUCTION

The gas insulated bus (GIB) is favored by modern
electrical industry for its large power transmission
capacity, high operation reliability and well landscape
coordination [1]. Spring type plug-in power connector
is one of the most essential electrical connection parts
inside GIB capsule. The main function of plug-in
connector is to absorb misalignment caused by different
thermal expansions between enclosure and conductor.
However, mechanical slide able design makes the plug-
in connector become weak component. As other power
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transmission/distribution equipment, safely operation of
GIB relies on reliable connection of main electrical loop
[2]. Internal insulation breakdown could be induced even
contact deterioration/overheating happens on tiny part of
the connector [3]. The fault of GIB equipment could be
serious and power supply time is considerable due to its
sealing structure. Therefore long term contact performance
of plug-in connector should be accurately evaluated both
in design and maintenance process to ensure safety of
equipment.

Similar as other power connectors, the plug-in
connector should have low and stable contact resistance
and temperature rise. Mechanical structure should also
be strong enough to resist the impact of short circuit
current. Design-oriented closed formulas for the sliding
GIB plug-in connector were given in [4], however
deviation of contact performances among individual
contact spots was ignored. Series works paid attention on
electric, thermal and mechanical performances of power
connectors during steady operation and pulse current
impact by both closed formulas and numerical methods.
Thermal effects of electrical contacts were analyzed by
closed formulas in which the electrical connectors were
modeled by lump components [5-6]. Numerical methods
were conducted in order to obtain temperature
distribution characteristics of electrical contacts [7-8].
Induced by current and surrounding electromagnetic
field, electromagnetic repulsion forces acting on electrical
connector are comprised of two parts: Holm repulsion
force by the current constriction effect on contact
interface [9] and Lorentz force by interaction between
current carriers [10]. Focusing on electrical, thermal and
mechanical field behaviors, some multi-physics models
of electrical contacts were proposed in [11-12]. All of
these works were based on static mechanical contact
status. Forces on the contact interface were assumed
as constant. However, it was noticed in [13] and our
previous work [14] that transient movement on contact
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interfaces of static power connector could be induced
under cyclic loads such as operating current and
environment temperature. Mechanical contact status of
the GIB plug-in connector such as preloading contact
force, conductor insert depth and docking angle can be
changed with equipment service time, then make contact
degeneration. Contact degeneration could reduce its load
capacity. Traditional designh methods paid few attentions
on dynamic contact performance and load capacity
of imperfect GIB plug-in connector after long time
operation.

This work presents a mechanical-electromagnetic-
thermal coupled physics FE method of large current
GIB plug-in connector. Whole paper is organized as
follows. Physical structure, test platform and numerical
assumptions were described in Section 2. Multi-physics
coupled FE model of imperfect assembled connector was
built in Section 3. Results and experimental validation
were shown in Section 4. Mechanical, electromagnetic
and thermal contact behaviors of plug-in connector with
various assembly conditions (preload contact force,
conductor inserting depth and docking angle) under
operation currents and short circuit current impact were
discussed in Section 5. In Section 6, dynamic steady and
fault load capacities of imperfect assembled GIB plug-in
connector were discussed.

I1. PHYSICAL STRUCTURE AND
EXPERIMENT SET-UP
Thermal and electromagnetic force behaviors of
spring type plug-in power connector used in GIB
equipment were analyzed by multi-physics FE method.
Physical experiments were also conducted to verify the
effectiveness of the numerical model.

A. Physical structure and model assumptions
Physical structure of GIB plug-in connector is

presented in Fig. 1 [4, 15-16]. GIB plug-in connector
contains series pieces of contact fingers which are parallel
arranged clockwise around the center axis of connector
(Al). Mechanical contact forces on contact spots are
supplied by series of holding springs. Conductor is made
of aluminum alloy (6063-T6). The contact fingers are
made of copper (T2-Y). Contact interfaces are plated
with 20 pm sliver. Mechanical assembly conditions are
defined as conductor insert depth H and conductor
docking angle 0. Contact failure point locates on the edge
chamfer of conductor plug. Geometric parameters of
connector are listed in Table 1. Material properties are
listed in Table 2. FE model of plug-in connector is based
on the following assumptions.

e To reduce computational effort, some geometric
features such as shield, bolt and other tiny chamfers
(less than 0.5mm) were ignored.

e Quasi-static approximation of electromagnetic field
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could be used for low frequency current.

e Only mechanical contact area was considered for
chemical stability of SFs gas. Mechanical contact
was supposed occurs on one equivalent contact spot.

e During steady state analysis, electromagnetic force
was omitted for its small amplitude. During short
circuit fault analysis, it assumed no heat transfer
occur between connector surface and environment
due to the limited fault duration time.

Base Shield Failure point

7y
Ay

Fixing bolt Contact Finger
(a)

Fig. 1. Physical structure and mechanical assembly of
GIB plug-in connector.

Table 1: Geometric parameters of GIB model
Conductor Material Aluminum alloy 6063-T6
Finger Material Copper alloy T2-Y
Conductor Length 391mm
Conductor Diameters | ®85mm/P65mm
Finger Number 16
Spring Stiffness 980N/m
Spring Diameters d85mm(free)/d108mm

Table 2: Material properties

Properties 6063 T2-Y
Density(kg/m”3) 2700 8900
Young’s modulus (Gpa) 69 110
Poisson’s Ratio 0.33 0.343
Resistivity (10"-8Q.m) 3.3 1.7
Thermal conductivity(W/m/K) | 209 388
Specific heat capacity (J/(kg.K)) | 902 391

B. Physical experiment set-up

Physical experiment set-up of prototype GIB plug-
in connector was shown Fig. 2 (a). Test current was
supplied by 2000A/5V current generator. Temperature
rises on each contact finger were measured by k-type
thermal couples. The temperature measure points were
located on front sides of contact fingers nearby contact
spots (Fig. 2 (b)). Analyzer was consisted of ampere meter,
data acquisition (DAQ) card and Industrial Personal
Computer (IPC) with LABVIEW software platform. Test
currents were measured by ampere meter integrated inside
the current generator. Temperatures collection interval
was set as 1min.
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Fig. 2. Experiment set-up of GIB plug-in connector.

I11. NUMERICAL MODELING

The FE analysis of GIB plug-in connector were
conducted both steady state solution (operation current)
and transient solution (short circuit fault). Numerical
solution region is described in Fig. 3. The FE model
includes contact fingers, conductors and surrounding gas
medium (SFe). Contact force F, is influenced by the
holding springs, gravity and electromagnetic force. The
current I, flows cross the contact interfaces through
equivalent contact bridges.

Equivalent contact Radius

L,

R =JRR, Contact ﬁuger{

R1I:radius of finger
terminal
R2:radius of conductor -

plug c g
1 ~ Contact rcgion

Conductor

I'Ex Contact bridge

Fig. 3. Numerical solution region division and boundary
conditions.

Multi-physics coupled FE analysis of GIB plug-in
connector was realized by the sequent coupling (load
transfer) method. Numerical calculation flowchart was
described in Fig. 4. Nonlinear mechanical analysis was
previous conducted to obtain initial mechanical contact
parameters (forces and radiuses) on each contact spots
of GIB connector with various mechanical assembly
conditions. Using the radiuses an(t) as contact bridge
model parameters, electromagnetic (EM) field analysis
was conducted to calculate power losses P(t) and EM
force Fe(t). Temperature rise T(t) was calculated by
thermal (TH) field analysis using power losses as load
inputs. Contact status was updated through load step
iterations during steady analysis and time iterations
during transient short circuit fault analysis.
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Fig. 4. Flowchart of multi-physics coupled FE procedure.
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A. Field differential equations
Governing equation of electromagnetic field can be
described as follows with magnetic vector potential A:

1A [ 0t -V2A = 1, 1)
where u is permeability, o is electrical conductivity, J is
current density. Boundary condition of electromagnetic
field is as follows:

Al,=0. 2)
Governing equation of thermal field can be described

as follows combined with the current density as heating
sources:

ca—T—/l(T)-VZT —j J—Zdv +2§:J2R (3)
P o Vo L i M

where A(T) is thermal conductivity, p is material density
and c is specific heat capacity, J; is operation current on
i contact spot.

Boundary conditions of thermal field include the
heat fluxes on connector terminals and heat exchange
between connector surface and environment:

M2 =,

n 2)

oT ' (

_/1(T)_ = KT (T 'To)
on

Equivalent heat transfer coefficient is set to consider

the heat convection and radiation process:
O7&7

K =(T-T,)" +(T——Tf)(T =Te) (5)

where o7 is Boltzmann constant, et is surface emissivity.
Self-acceleration relationship between contact
resistance and contact temperature rise is as follows [17]:

Rc:Ro|:l+§aT(T_To)] (6)

Governing equation of mechanical field can be
described as follows:
oy,

atZ

oe
+(K+G)a= F +F+F,
Ev
K=———
@1+v)1-2v)
ou, du, ou
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X z
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699



700

where uij is the direction deformation along components
of Cartesian coordinate system (i=x, y, z), k is the lame
constant, G is shear modulus, e is volume deformation,
external forces include preloading force Fp, conductor
gravity Fg and electromagnetic force Fe.

Pre-loading contact force on per contact spot can be
expressed as:

F, =3Kz*AD/n, (8)
where K is the spring stiffness and 4D is the spring
diameter increase after assembly.

Electromagnetic force induced by the interaction
between current and magnetic field can be expressed as:

F,=[ 3xBdv. 9)

The GIB plug-in connectors are often fixed on the
disc-type insulators, and the positioning design allows
only axial freedom (direction of insert depth) and limited
range of radial freedom (less than 2°).

Backward stepping scheme is adopted for the time
discretization during the transient short circuit analysis:

(dx/dt)™ = (X" —x") ] At, (10)
where x is the field nodal variables, t is the analysis time,
the time step 4t is set as 1ms to simulate transient short
circuit fault process.

B. Contact equivalent

The mechanical contact radius a, on individual
contact spot can be calculated by Hertz formula:

a, =(3F,R"/4E")"?, (11)
where F, is the contact force of n contact finger which
equals to half of reactive force on individual contact
spots, R™ is the equivalent contact radius (Fig. 3), E” is
equivalent Young's modulus.

The role of current constriction effect and contact
resistance is usually considered by the contact bridge
model. However, forces and radii on several contact
spots are too small to be geometrically modeled. To
simply contact spots of GIB plug-in connector under
various assembly conditions, imperfect contact bridge
model was constructed in our previous work [18] by two
parameters: the equivalent contact radius r, and the
equivalent electric resistivity pn:

r=a, a, >0.1mm
: (12)
r=01mm a, <0.Imm
pn = npsilver’ (13)
n=1 a, >0.1mm
n=01/a, 0<a,<0.1mm, (14)
n=0o a, =0mm

where # is electric resistivity ratio between n contact
bridge and silver.

IV. FIELD RESULTS AND VERIFICATION
3-D FE model of GIB plug-in connector was built
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to describe mechanical, electrical and thermal field
behaviors of GIB plug-in connector under operation
current and short circuit current impact. The mechanical
assembly condition was defined as 30mm of conductor
insert depth, 0° of conductor docking angle under initial
preloading contact force. Environmental temperature was
18°C. Operation current was 2000A and typical transient
waveform of short circuit current was as follows:

i(t) =21 (e —cos(at)), (15)
where I=10kA, ©=100x, a=22.311s™.

A. Field distributions

Mechanical field distribution of GIB plug-in
connector is described in Fig. 5. Results show that the
radial deformation happens on contact fingers for the
over-travel design between connector and conductor
terminal. Deformations on bottom contact finger are
larger than upper ones for gravity. Influenced by uneven
deformation of contact elements, mechanical stresses
concentrate on contact spots and the maximum stress
increasing from upper contact spots to bottom ones.

Uneven mechanical contact forces can influence
distributions of contact resistances and currents.
Deformation(mm) Stress(GPa)
\i7, =i =
N = 0 ] 0%6
gy ] 0.13 0.74
= L& == ! 4 X % 0.62
Q\\\_) [ 86E-1 0.49
= N, g
fi H x — 0 s
] ASE-1 L 0.12
() -93E-2 ) 46E-3

Fig. 5. Initial mechanical field distributions: (a) radial
deformation and (b) von-Mises stress.

Distributions of current densities and temperature
rises of GIB plug-in connector are described in Fig. 6.
Results show that current density concentrates on contact
spots for the limited electrical contact area. Local power
losses and excessive temperature rises on contact spots
can be induced by current. Temperatures on the bottom
contact fingers are larger than those of upper ones for
the deviation of operation current which is influenced
by mechanical contact forces. It can be deduced that
the mechanical assembly conditions could influence the
thermal behaviors and load capacities of GIB plug-in
connector.

Current and electromagnetic force densities of GIB
plug-in connector concerning under peak value of short
circuit current (t=10ms) are shown in Fig. 7. Results
show the currents of lower contact fingers are larger
than those of upper ones, which causes non-uniform
electromagnetic forces. The electromagnetic force on
contact finger is opposite to the preloading contact force.
Real contact force can be reduced by increasing of



electromagnetic force under short circuit fault.
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Fig. 6. Steady current and temperature distributions.
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Fig. 7. Current and electromagnetic force distributions.

B. Transient characteristics under short circuit fault

Transient thermal responses of contact spot and
conductor terminal under short circuit current impact are
described in Fig. 8. Results show that temperature on
contact spot follows the waveform of short circuit fault
current for the small thermal constants. However, unlike
contact spot, the transient temperature rise on measure
points does not follow the fault current for the relative
large thermal constants. Similar result has been found by
research on similar connector structure [19].

—
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=
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Temp-contact spot
Temp-contact finger

[
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=l
T
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Temperature(°C)
wn
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n

. . . 18
0 50 100 150 200

Time(ms)
Fig. 8. Thermal response at contact spot and conductor.

Figure 9 shows the transient electromagnetic forces
and temperature on the bottom contact spot (no.9 in
Fig. 2) within the first three waveforms of fault current
(60ms). FE results are compared with the well-known V-
T relation [20] and design formula [4]. Results show that
temperature by FE analysis lags behind the V-T relation
for the difference between electric and thermal time
constants of contact spot. Electromagnetic force contains
50Hz and 100Hz components, and force amplitudes by
design formula are 50% smaller than FEM results for the
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Lorentz force is not considered.

Temperature (°C)

— — - V-T relation 15

EM force(N)
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— — —Design formula
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Time(ms) Time(ms)

Fig. 9. Transient temperature rises and electromagnetic
force on the bottom contact spot.

C. Results verification

Physical experiments were carried out in order to
verify effectiveness of numerical model besides provide
more information about thermal performance of GIB
plug-in connector. Steady-state temperature rises on
individual contact spots under different operation
currents were obtained by both FE model and physical
experiments. Calculated and the measured results are
listed in Table 3. Both calculated and measured results
follow the same trend as described in Fig. 6. The
maximum deviation of calculation and test results is less
than 15%. Errors are caused by approximation of heat
transfer coefficient. Several thermal couples could be
loosen due to higher test temperature.

Table 3: Temperature on individual contact spots ('C)

No 1000A 2000A 3000A
FEM | Test | FEM | Test | FEM Test
1 35.4 | 36.3 | 58.6 | 66.9 92.4 | 105.2
2 36.2 | 36.3 | 60.6 | 67.1 | 100.0 | 105.3
3 36.4 | 36.4 | 63.3 | 68.4 | 100.1 | 106.1
4 36.6 | 36.6 | 65.3 | 68.8 | 101.6 | 106.9
5 37.4 | 36.8 | 65.8 | 70.6 | 103.4 | 108.0
6 375 | 36.9 | 66.7 | 71.8 | 1045 | 108.9
7 38 37.1 | 67.4 | 72.6 | 105.0 | 109.6
8 38.8 | 37.1 | 71.7 | 73.0 | 105.2 | 110.0
9 38.3 | 37.2 | 73.8 | 73.2 | 107.8 | 110.2
10 | 38.1 | 37.1 | 68.8 | 73.1 | 107.1 | 110.1
11 | 37.7 | 37.0 | 67.2 | 724 | 106.2 | 109.4
12 | 36.4 | 369 | 66.8 | 71.8 | 104.6 | 109.0
13 | 36.3 | 36.8 | 65.9 | 70.7 | 101.3 | 108.2
14 | 358 | 36.6 | 63.4 | 68.8 99.6 | 107.1
15 | 355 | 364 | 629 | 674 | 975 | 106.1
16 35 36.3 | 60.9 | 66.7 92.6 | 105.5

V. CONTACT BEHAVIORS WITH VARIOUS
ASSEMBLY CONDITONS
Distributions of mechanical contact parameters
among contact spots across total assembly ranges are
critical for electrical and thermal performance of GIB
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plug-in connector. Using mechanical field analysis,
distributions of initial mechanical contact forces and
radii of plug-in connector with different mechanical
assembly conditions are described in Fig. 10. Results
show mechanical contact parameters on individual
contact spots vary from each other. Deviation of contact
parameters becomes larger with decrease of preloading
contact forces, conductor insert depths, and increasing of
conductor docking angles. Influenced by mechanical
contact parameter deviations, contact resistances and
currents among contact spots are different.

Contact force(N) Radius(mm)
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0 0.15
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Fig. 10. Distributions of contact forces and radii: (a)
preloading contact force, (b) conductor insert depths, and
(c) conductor docking angle.

A. Contact behaviors under steady-state

Operation current up to several kA can lead to
obvious temperature rise on contact spots. Ampacities of
plug-in connector are constrained by the maximum
temperature. Distributions of currents and temperature
rises of GIB plug-in connector with different assembly
conditions under 2000A current at 18°C environmental
temperature are shown in Fig. 11.

Distribution of currents and temperatures among
contact spots with various preloading contact forces are
described in Fig. 11 (a). Results show that the reducing
of preloading contact forces by lower spring stiffness
could make larger current deviations, which induce
larger temperature rise on the bottom contact spots.
However, the maximum temperature (94.5°C) could not
exceed threshold (105°C), even the preloading contact
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force decrease to 60% of its initial value; which means
that reducing of preloading contact force is not the main
factor influencing contact performance of connector
under steady-state operation current.

Current(A) Temperature(°C)
200 100
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0 60
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Fig. 11. Currents and temperatures on individual contact
spots of GIB plug-in connector under steady state.

Distribution of currents and temperatures among
contact spots with various conductor insert depths are
described in Fig. 11 (b). Results show that deviation of
currents and temperatures become larger with decrease
of conductor insert depths. When conductor insert depth
does not exceed failure point (18mm), the maximum
temperature is below threshold value for nearly uniform
contact parameters. However, when conductor insert
depth exceeds failure point, current and temperature
among contact spots significantly deviates. Overheating
could be induced on several spots with larger currents.

Distributions of currents and temperatures among
contact spots with various conductor docking angles are
described in Fig. 11 (c). Results show that deviation of
temperature becomes larger with increase of conductor
docking angles. When docking angle deviation is below
1.2°, the maximum temperature is below threshold
value for nearly uniform contact parameters. However,
when conductor docking angle deviation exceeds 1.2°,
temperature among contact spots significantly deviates.
Overheating could be induced on several contact spots
with larger currents flowing through. The maximum
temperature at -2° docking angle is 11.3°C larger than
that at 2° docking angle due to the conductor gravity.



B. Contact behaviors under short circuit fault

Peak value of fault current under short circuit can
reach up to tens of KA. Huge electromagnetic repulsion
force and sharp increasing of temperature rise could
be induced. Distributions of electromagnetic force and
temperature of GIB plug-in connector with different
assembly conditions under 25kA fault current impact at
18°C environmental temperature are shown in Fig. 12.

EM force(N)
20 160

Temperature(°C)

EM force(N)
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200 mm
/
’ \ \
/ \
100 / \ I
/ 18mm \\ *WW
>18mm ,/ __---_ A D
0 0
0 4 8 12 16 0 4 8 12 16
(b)
EM force(N Temperature(°’C
600 ) 800 Ld )

Finger no Finger no

Fig. 12. Electromagnetic force and temperature under
short circuit current impact.

Distributions of electromagnetic repulsion forces and
temperatures among contact spots with various preloading
contact forces are shown in Fig. 12 (a). It can be seen
that deviation amplitudes of electromagnetic force and
temperature increase with the decrease of preloading
contact forces. However, even when the preloading
contact force reduces to 60% of its initial value, the
residual contact force still exists with the peak value of
electromagnetic repulsion force (17.2N). The maximum
temperature (154.6 °C) does not exceed the threshold
(200 C ), which means that reducing of preloading
contact force is not the main factor influencing contact
performance under short circuit current impact.

Distributions of electromagnetic repulsion forces and
temperatures among contact spots with various conductor
insert depths are shown in Fig. 12 (b). It can be seen
that deviation amplitudes of electromagnetic force and
temperature rise increase with decrease of conductor
insert depth. Preloading contact force on several serious
contact spots could be totally offset by electromagnetic
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force together with seriously heating at 14mm conductor
inserting depth, which means that the contact performance
could be largely reduced by the insufficient conductor
insert depth.

Distributions of electromagnetic repulsion forces and
temperatures among contact spots with various conductor
docking angles are shown in Fig. 12 (c). Results show
that deviation of electromagnetic and temperature
becomes larger with increase of conductor docking
angles. When docking angle deviation exceeds 1.2°,
preloading contact force on several serious contact spots
could be totally offset by electromagnetic force, which
means that the contact performance could be largely
reduced by conductor docking angle deviation.

VI. LOAD CAPABILITY ASSESSMENT OF

IMPERFECT PLUG-IN CONNECTOR

As part of series components in power grid, during
entire equipment service life, contact system of GIB
plug-in connector must be able to carry rated operation
current besides withstand short circuit (SC) fault current
without obvious contact degradation. According IEC
62271-1 and IEC 60865-1 [21-22], the maximum allowed
temperatures for silver-plated contacts with long-term
operation current and transient short circuit current impact
is 105°C and 200°C separately.

During manufactory/install/operation process, GIB
plug-in connector could be exposed to misalignment
conditions such as preloading contact force reduction,
insufficient conductor insert depth or conductor docking
angle deviation. Imperfect assembly conditions could
make higher temperature rise and electromagnetic force
thus reduce the actual load capability comparing with its
design value.

Load capabilities of GIB plug-in connector with
various preloading contact forces are described in Fig.
13. Results show that the load capabilities reduce with
decrease of preloading contact force. Load capacity of
connector with 60% preloading contact force is 82% of
its design value, which means that preloading contact
force could not obviously influence load capability of
connector with low relaxation ratio of holding spring
across its service life.
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Fig. 13. Load capacities with preloading contact forces.
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Load capabilities of GIB plug-in connector with
various conductor insert depths are described in Fig. 14.
Results show that as long as the conductor insert depth
is below contact failure point (18mm), load capacities
reduce slowly with decrease of conductor insert depth
(87% of its design value at 18mm). However, when the
conductor insert depth exceeds failure point, due to
overheating and significant electromagnetic force on
several contact spots, the load capacities reduce sharply
(46% of initial value at 24mm).
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Fig. 14. Load capacities with conductor insert depths.

Load capabilities of GIB plug-in connector with
various conductor docking angles are described in Fig.
15. Results show that due to overheating and significant
electromagnetic force on several contact spots, the load
capacities reduce sharply with the increase of conductor
docking angle (15% of its design value at -2°).
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Fig. 15. Load capacities with conductor docking angles.

VI1I. CONCLUSION

By multi-physics coupled FE procedure, influences
of imperfect assembly conditions on the mechanical,
electrical and thermal contact behaviors of GIB plug-in
connector under steady and short circuit current impact
have been analyzed. Results show that when imperfect
assembly condition happens, contact force, operation
current, temperature rise and electromagnetic repulsion
force deviate obviously among contact spots. The load
capacity can be significant decreased by overheating on
several contact spots. When insufficient preloading force
(60%), insufficient conductor insert depth (14mm) and
conductor deviation angle (-2°) happen, the actual load
capability reduces to 82%, 46% and 15% of its design
values. Result also indicates that insufficient conductor
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inserts depth and conductor docking angle deviation has
the larger influence on load capacity of connector. FE
model and results of this paper could help for optimal
design and operation monitoring of GIB plug-in connector
thus improve its reliability.
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Abstract — We compare the performance of equal-sized
dipole and folded dipole wearable passive UHF RFID
tags using three different body models for the torso of
an adult male: cuboid and anatomical models with and
without internal structures. The results show that all
models estimate the antenna impedance matching
appropriately, but only the anatomical models predict the
full spatial coverage of the tags properly. We present a
novel metrics for analysing the coverage in simulations
and compare the simulated and measured tag read ranges
to validate our modelling results.

Index Terms — Dipole, e-textile, folded dipole, human
body model, RFID tag, wearable antenna.

L. INTRODUCTION

Body area networks (BAN) have become an
important trend in wireless communications and the
development of wearable wireless technologies is
offering marked benefits to numerous applications, such
as medicine and healthcare, wellness and sports, and
safety and security. Overall, the development is striving
towards wearable intelligence: the body-worn sensing
and energy harvesting platforms will provide wireless
power and data to the human intranet consisting of
implanted and body-worn devices [1-2].

Passive ultra-high frequency (UHF) radio-frequency
identification (RFID) inspired technology is a compelling
approach to energy- and cost-efficient wireless platforms
for the future BANs [3-4]. In addition to identification,
this versatile technology is adaptable for the purposes of
wireless sensing, for instance [5-7]. Currently, perhaps
the biggest challenges in the development of wearable
wireless devices are the seamless cloth-integration
and reliable and effective optimisation of body-worn
antennas. Here, the regular printed circuit board is not a
viable approach, and thus electrically conductive textiles
(e-textiles) where conductive parts are patterned from
metal-coated fabrics or embroidered with metal-coated
sewing threads, for instance, have gained more attention.
In the view of textile-compatible manufacturing, simple
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uniplanar antennas provide clear benefits over structures
with multiple interconnected layers. Still, the presence
of the body influences uniplanar antennas more and
therefore we must optimise them affixed on a human
body model.

The body is an extremely complex platform for
electromagnetic modelling in terms of both the structure
and materials. Thus, for effective simulation of wearable
antennas, we must strike the right balance between
complexity and prediction accuracy. In this letter, we
address this question in the application of wearable RFID
tags by comparing equal-sized tags based on dipole and
folded dipole antennas using three different human body
models of different complexities.

II. HUMAN BODY MODELS AND
SIMULATION RESULTS

Figure 1 shows the tag antennas that we optimised
using a simple cuboid body model in [8]. This work
presents further analysis and comparison of the tag’s
performance and spatial coverage in more realistic body
models illustrated in Fig. 2. The coordinate systems in
Figs. 1-2 coincide and indicate the placement of the
tag centred in the upper back at the level of the scapula.
We first developed the structured anatomical model by
adapting the full ANSYS human body model (adult
male) by reducing it to the head and upper torso and then
removing internal structures that we did not consider
having significant size or were not located near the
tag. We modelled the electromagnetic properties of
the different tissue types using the four-term Cole-Cole
dielectric relaxation model with the model parameters
taken from IT’IS library [9]. In case of the solid
anatomical model, we assigned the material in the whole
body as skin (e=41.4, 6=0.867 S/m at 915 MHz) since it
is the tissue type nearest to the tag. Finally, we created
the cuboid model by adapting the dimensions of a cuboid
to fit the torso in the anatomical models as illustrated in
Fig. 2 and assigned the dielectric properties of skin on
the cuboid. The antenna substrate was EPDM (Ethylene-
Propylene-Diene-Monomer, &=1.26, tano = 0.007 at 915
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MHz) cell rubber foam with the thickness of 2 mm
and as conductors we used both 20-um copper foil
(conductivity: 58 MS/m) and nickel and copper plated
Less EMF Shieldit Super Fabric (sheet resistance:
0.16 ©/Sq.). The RFID IC we used was NXP UCODE
G2iL RFID IC. It has the wake-up power of —18 dBm
(15.8 pw) and we modelled it as a parallel connection of
the resistance and capacitance of 2.85 kQ and 0.91 pF,
respectively [8].
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Fig. 1. Structural diagrams of the studied antennas.

The main performance indicator of passive tags is
the attainable tag read range (diwg) that in passive UHF
RFID systems is limited by the tag’s capability to harvest
energy from the reader’s carrier signal. In free space,

4 - A 4Re(Z,)Re(Z,c )| 7, D(0. $)EIRP o
a4z ‘ZA+ZIC‘2 R ’

ico

where 1 is the wavelength of the reader’s signal, the
factor in curly brackets is the antenna-IC power
transmission efficiency (z) determined by the tag antenna
and IC impedances Za and Zic, respectively, yp is the
mutual polarisation loss factor between the tag antenna
and the incident wave from the reader, e and D(0,¢) are
the radiation efficiency and directivity of the tag antenna,
respectively, EIRP is the equivalent isotropically radiated
power of the reader, and Pic is the wake-up power of the
tag IC.

The complex electric field vector (E) of an
electromagnetic wave can be expressed as a sum of
orthogonal purely left and right hand circularly polarised
components E. and Eg, respectively, by introducing a
complex scalar (y) called circular polarisation ratio such

BJORNINEN: COMPARISON OF THREE BODY MODELS OF DIFFERENT COMPLEXITIES

that: E = E_ + Er = E_ + yE_ [10]. With this notion, the
mutual polarisation loss factor between a tag antenna and
incident wave from a reader with an arbitrary elliptic
polarisation is:

_ 1+ ‘7inc }/tag 7tag
(W7 Y0+ )

where the complex scalars g and pinc are the circular
polarisation ratios of the incident wave and the tag
antenna, respectively, and A is the difference between
the arguments of g and yinc [10]. Generally, RFID
readers are equipped with circularly polarised antennas
to eliminate the possibility of cross polarisation with tags
that comprise almost invariably a linearly polarised
antenna due the stringent requirements on size, cost, and
manufacturing complexity. For the pure left and right
hand circular polarisations, we have yinc=0 and [yinc|— o,
respectively. In these cases, Equation (2) yields the
mutual polarisation loss factors:
1 1
=——— and pg, ?3)
1+ 7 tag

For a perfectly linearly polarised tag antenna yan = 1 [10]
and both loss factors in Equation (3) become equal to 1/2.

\2 2+2\yinc\ COSA

@

p

Ve S —
- 1+‘7am‘ ’

Tag placement
on the cuboid:

395 mm

Fig. 2. Cuboid model visualised on top of the solid body
model (left) and the transparent view of the structured
body model (right). In the structured model, the material
for the transparent part is skin. The red, dark grey, blue,
yellow, and orange denote cortical bone (scapula),
cancellous bone (thoracic vertebrae T3-T12), muscle,
fat, and air (inside lungs), respectiely.

For further analysis, we define the read range
coverage C, with 0<a<1, so that in a percentage of the
spatial observation angles C,<dwg(0,4). This means that
when an incident wave from the reader impinges upon
the tag, there is an a percentage probability for detecting
the tag at a distance longer than C,.

We used ANSYS HFSS v15 in modelling the
antennas. Firstly, Fig. 3 shows the simulated z. According
to our parametric study, it was not possible to achieve
higher z with the dipole constrained in the 20X 120 mm?
footprint size by optimising the embedded inductive

707



708

matching loop (params.: u and v) due to the inherently
elevated antenna resistance. This indicates that though
widely applicable for tags in item level tracking
applications, this impedance tuning approach has limited
applicability in wearable tags. In contrast, we found that
the folded dipole permitted good impedance matching
within equal footprint area.

0.35 1
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0.31 [ ==m SN
0.29 S
0.27 Cuboid (Cu) \
= 0.25 [|= = Solid (Cu)
0.23 Structured (Cu)
0.21 Cuboid (e-text.)
0.19 |~ — - solid (e-text.)
0.17 Structured (e-text.)
0.15
08 085 09 0.95 1 08 085 09 0.95 1

f[GHz] f [G‘Hz]

Fig. 3. Antenna-IC power transfer efficiency of the
dipole (left) and folded dipole (right) tags.

Table 1: Radiation efficiency (%) and directivity (dBi)
in the direction of the positive z-axis in Fig. 2

Dip., Dip., Folded, | Folded,
Cu e-textile Cu e-textile
Cub 1.8% 1.7% 1.2% 1.0%
' 76dBi | 7.6dBi | 6.2dBi | 6.2dBi
Solid 1.8% 1.7% 1.1% 0.9%
7.5 dBi 7.5 dBi 7.3 dBi 7.3 dBi
Struct 1.7%. 1.6%_ 1.0%. 0.8%_
" | 7.4dBi 7.4 dBi 7.3 dBi 7.3 dBi

Overall, all the body models predicted very similar
impedance matching, suggesting that a simplistic body
model suffices for optimizing the antenna impedance. In
addition, Table 1 shows that the radiation characteristics
observed from the direction of the positive z-axis, are
also very similar among all models, with the exception
that the cuboid model predicted 1 dB lower directivity
for the folded dipole compared with the anatomical
models. Moreover, the antennas’ radiation performance
is characterised by low radiation efficiency in the order
of 1% and high directivity — both due to the impact of the
human body. The radiation patterns at other observation
angles, however, differ notably between the cuboid and
anatomical models as shown in Fig. 4. Consequently, the
spatial coverage presented in Fig. 5 differs between these
models suggesting that we need anatomically shaped
models for the judicious analysis of the coverage and
read range of wearable tags.

In the analysis of the spatial coverage, we assumed
that a reader antenna may be located anywhere behind
the person (6 = -90°...90°) within a 60° beam in the yz-
plane (¢ = —30°...30°). We discretised the ranges for 6
and ¢ using steps of 2.5° and 1°, respectively, and extracted
the directivity and left-hand circular polarisation ratio at
each point. As shown in Fig. 5, the solid and structured
anatomical models predicted nearly identical coverage,

ACES JOURNAL, Vol. 33, No. 6, June 2018

whereas the cuboid model yielded lower values. This is
because the radiation patterns obtained from the anatomical
models exhibit broader beams in the xz-plane (Fig. 4).
Overall, in the anatomical models, the e-textile dipole
and folded tags achieved the peak diwag Of approximately
2.0 m and 2.3 m in polarisation matched scenario and
1.4 m and 1.6 m in the case of a left-hand circularly
polarised reader, respectively. The corresponding values
of Cosare1.2mand 1.4 mfor yp=1and 0.9 mand 1.0 m
for yp = yn. Hence, even though the maximum dig is
sufficient for practical applications of wearable tags, the
important observation from the analysis of the spatial
coverage is that the reliability of the detection, especially
with a commonly used circularly polarised reader antenna,
may still limit the applicability of the tags.

Fig. 4. Radiation patterns of the copper antennas in
cuboid (top) and solid body models (bottom) at 915
MHz. Left dipole, right: folded dipole.
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Fig. 5. Spatial coverage of the e-textile dipole (top) and
e-textile folded dipole (bottom) at 915 MHz in the region
where 6 =-90°...90° and ¢ = —30°...30°.



III. RESULTS FROM TESTING

During testing, we affixed the tags on the skin in the
upper back of a male test subject as described in Fig. 1
and tested them wirelessly using Voyantic Tagformance
measurement system. It contains an RFID reader with an
adjustable transmission frequency (0.8...1 GHz) and
output power (up to 30 dBm) and provides the recording
of the backscattered signal strength (down to —80 dBm)
from the tag under test. During the test, we recorded the
lowest continuous-wave transmission power at which a
valid 16-bit random number from the tag was received
as a response to the query command in ISO 18000-6C
communication standard. In addition, the wireless
channel from the reader antenna to the location of the tag
under test was characterised using a system reference tag
with known properties. As explained with details in [7],
this enabled us to estimate the attainable read range of
the tag. In the measurement, we used a linearly polarised
reader antenna aligned for polarisation matching with the
linearly polarised tags. Figure 6 shows the results referred
to EIRP = 3.28 W. The excellent agreement between the
simulations and measurement adds assurance to the
modelling approaches presented in the previous section.
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Fig. 6. Attainable read range toward +z-axis in Fig. 2.

IV. CONCLUSION

Wearable antennas couple electromagnetically to
the human body making electromagnetic body models
an indispensable tool for optimising them. We compared
three different models for the torso: cuboid and
anatomical models with and without internal structures,
in the modelling of wearable RFID tags. We found little
difference in antenna impedance obtained from the

BJORNINEN: COMPARISON OF THREE BODY MODELS OF DIFFERENT COMPLEXITIES

models, but the cuboid predicted notably different
radiation pattern. Moreover, we found the difference
in all performance indicators obtained from the solid
and structured models negligible suggesting that the
anatomical model without internal structures is the most
effective one for our application.
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Abstract — These days the need for reconfigurable
antenna is widely increased in the field of multi band
wireless communication. The proposed new design of
N-shaped antenna structure consists of two PIN diodes
for switching purpose. They are switched automatically
by a pre-programmed Arduino microcontroller unit to
attain the reconfiguration of four-different bands without
changing the physical dimension of the antenna. The
four switching bands are 3.5 GHz (WiMAX), 2.46 GHz
(WLAN), 1.2 GHz (GPS) and 2.1 GHz (UMTS). It has a
center stub with two N-shaped stub carrying PIN diodes.
The stubs are connected with a 500hm microstrip feed
line. The measured return loss closely follows the
simulation results. Also it exhibits a good impedance
matching during the four switching states. The
simulation has been done through Ansoft HFSS and
measured results are obtained from a Vector Network
Analyzer (VNA). The obtained VSWR value lies beneath
2 for all obtained bands. The radiation pattern of the
antenna is bidirectional for all the four-switching states.

Index Terms — Auto switching antenna, multi frequency,
N-shaped microstrip patch antenna, PIN diode antenna,
reconfigurable antenna.

L. INTRODUCTION

In recent days, the reconfigurable antenna has been
used extensively in the field of wireless communication,
satellite communication, radio frequency (RF) devices
and radar systems due to its functionality and versatility
[1]. Normally a basic patch antenna works on a single
or fixed band of frequencies [2]. But restructuring or
reconfigurable antenna can work in various operating
frequencies [3] and it can be used indifferent wireless
applications such as Bluetooth, Wi-Fi, UMTS, GPS and
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WLAN. Polarization switching, pattern switching,
bandwidth switching and frequency switching are
the different switching operations performed by
reconfigurable antenna [4]. In this paper, the concept of
frequency switching is focused at large. For switching
the various frequency bands, switches like PIN diodes
[5], Varactor diodes [6], and RF MEMS [7] switches
are being used.

Reconfigurable antennae with RF MEMS switches
have the switching speed ranging from 1-200usec.
This is normally considered as low for most of the
applications [8]. Antennae resorted with Varactor diode
has variable capacitance due to varying bias voltage and
it produces vast tuning ability. The design of biasing
network with Varactor diode is in consideration to
the reconfigurable antenna design [9]. Most of the
reconfigurable antenna is designed with PIN diodes as
it provides fast switching. The switching speed ranges
from 1-100nsec. The fast switching provides dynamic
reconfiguration ability [10] than other switching
components. Hence, PIN diodes have been extensively
used in reconfigurable antenna design.

In this paper frequency reconfigurable N-shaped
antenna has been presented. Here two PIN diodes with
an auto switching unit is used to obtain the multiple
frequency bands. The frequency reconfiguration is
achieved through switching ON/OFF the D1 & D2
diodes which is mounted on the patch. This paper covers
six sections, where the Section | gives a common
introduction about reconfigurable antenna. Section I
describes the design of the proposed antenna and
Section 111 gives the principle of auto switching unit
using Arduino UNO board for the proposed N-shaped
antenna. It is followed by Section IV, where the
simulated and measured results of proposed antenna
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have been briefly explained. Section V carries the
comparison of proposed antenna with other factors.
Finally, Section VI concludes the paper.

II. PROPOSED N-SHAPEDANTENNA
DESIGN

The proposed frequency reconfigurable N-shaped
antenna has dimension of 20mm*30mm as shown in the
Fig. 1 (a). The antenna has a track width of 4mm all
over the patch and it is fed by 50Q microstrip feed line
connected with a standard connector. The antenna’s
software model has been designed using Ansoft HFSS
software and it is shown in Fig. 1 (b). The prototype
antenna has been fabricated on FR4 epoxy material of
dielectric constant 4.4 with a thickness of 1.6mm. The
antenna has a ground plane with dimension as that of
patch. The antenna is coated with Tin material as it
provides improved frequency reconfigurability. RF PIN
diodes namely SOD323 are used for switching the
frequency in four different states. In HFSS the PIN
diodes are designed with Lumped RLC boundary and it
is indicated in Fig. 1 (b) as D1 and D2 position. Two
PIN diodes D1 and D2 are mounted on the antenna
radiating patches as shown in the Fig. 2 (a), and Fig. 2
(b) shows the ground plane of the antenna. The switching
is provided with the help of auto switching unit which
consist of a preprogrammed Arduino UNO board.

%tion

D2 Position

(b)

Fig. 1. (a) Dimension of tree shaped antenna (all
dimensions in mm) [W=20, W1=1.5mm, W2=7mm, W3=
5mm, W4=4mm, W5=1mm, W6=1.8mm, W7=1.5mm,
L=30, L1=15mm, L2=12mm, L3=5mm, L4=3mm]; (b)
simulation design in HFSS.

The length () and width (w) for designing the
proposed N-shaped reconfigurable patch antenna is
obtained from the following Equations from (1) to (4). The
width (w) and effective dielectric constant (e, ) of the

patch can be resolute through the Equations (1) and (2):

c 2
W:E £8r+1], @)

where ¢ = free space velocity of light, f = resonant
frequency, and ¢, = dielectric constant of substrate;
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The extension patch length (Al) is given by the
Equation (3) through which the actual patch length (I)
can be calculated from Equation (4):

(& +O.3)(\£’+0.264)

Al =0.412h , (3)
(e - 0.258)[‘;]" + o.sj
where w = width of the patch,
l=— 2l @)
2f Ereff

Fig. 2. (a) Fabricated antenna with PIN diodes - front
view, and (b) ground plane - back view.

1. AUTO SWITCHING UNIT

The auto switching unit consists of a pre-
programmed Arduino Uno board connected with the
proposed N-shaped antenna has been shown in Fig. 3.
The output of the reconfigurable antenna is connected
to the voltage multiplier unit which is designed with
LTC3108. The output of multiplier unit is connected
to the Arduino board’s Ao pin (Analog I/O port) and
ground (GND) pin. The diodes D1, D2 of the proposed
N-shaped reconfigurable antenna is connected with the
Arduino board’s Digital 1/0 ports 11, 12 respectively.

The pre-programmed Arduino board switches the
diodes D1 and D2 consecutively. The received analog
signal in the A port is digitized through the inbuilt ADC
unit. The diode reaches its next state one by one after 5s
delay as per the program. Thus, the diode switching
state starts with state 1 (0,1) where the diode D2 in ON
and D1 in OFF condition. It is consecutively followed
by the other states of PIN diode after every 5s delay
as follows; (1,0), (1,1) and (0,0). The switching state
of the PIN diodes (D1, D2) is given in the Table 1. In
every switching state, the output of the reconfigurable
antenna is read by the analog ports and the digitized
value is compared with the previous stored value. Finally,
the best value for the state where signal of the antenna
is strong is selected and that switching state is chosen to
remain as the antenna state for the RF harvesting.
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Fig. 3. Auto switching unit with the proposed antenna.

IV. RESULTS AND DISCUSSION
In this section the comparison of simulated result
and measured result of prototype antenna has been
discussed. The simulation and measured values are
obtained through HFSS and VNA respectively. The
various antenna parameters for the four switching states
of the proposed antenna is presented as follows.

A. Return loss

The return loss for the state 1, state 2, state 3 and
null state is shown in the Fig. 4, where the dotted line
represents the simulated result and solid line represent
the measured result. In state 1 (i.e.) D1 is in OFF and D2
in ON condition. In this state the frequencies of 3.5 GHz
and 5.7 GHz are obtained. Thus this state can be used
for WiMAX (3.5 GHz) application. The diode D1 is
in ON and D2 in OFF represent the state 2. Here the
frequency band of 2.4 GHz (Bluetooth) and 5 GHz has
been obtained. Similarly, in the 3" state both the diodes
are in ON condition, the frequency of 1.2 GHz is
obtained. Finally, in null state (i.e.) both the diodes are
in OFF condition. In this state the antenna achieves 2.1
GHz and 6.8 GHz frequency. The frequency attained in
state 3 can be used for GPS application and in null state
can be used for UMTS application. The difference is
attributed between simulation and measured result due
the fabrication inacuuracy, effect of the material, PIN
diode quality and realization environment. Howerever
these results are acceptable.

h o
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~-= MEASURED RESULT

Frequency (GHz)
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(a) State 1 (0,1)

(b) State 2 (1,0)

1
!
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Frequency (GHz)
L 3

=== MEASURED RESULT
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Fig. 4. Simulated and measured return loss result.
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Table 1: Comparison of various switching states

Diode Operating

State
Frequency

State 1 (0,1) | D1 OFF & D2 ON |3.5 GHZ, 5.7 GHz

State 2 (1,0) | D1 ON & D2 OFF | 2.4 GHz, 5 GHz
State 3 (1,1) D1 & D2 ON 1.2 GHz
Null state (0,0)] D1 &D2OFF 2.1 GHz, 6.8 GHz

B. VSWR

The Voltage Standing Wave Ratio (VSWR) is
obtained in minimum level in the permissible range
(i.e.) below 2 for all the four switching condition of the
diode D1 and D2. Hence, the simulated and measured
result of the N shaped antenna for the null state is
shown in the below Fig. 5.

—— SIMULATED RESULT
30 === MEASURED RESULT

0 Frequency (GHz)
0 2 4 6 8 10

Fig. 5. Simulated and measured VSWR for null state.

C. Radiation pattern

The radiation pattern of proposed antenna in E-plane
(x-z plane) and H-plane (y-z plane) at 2.1 GHz in null
state is shown in Figs. 6 (a) and 6 (b) and also the 3-
Dimensional radiation pattern is shown in Fig 7. Bi-
directional radiation pattern is seen in both E- and H-
plane of the proposed antenna in null state. Since the
antenna has reconfigurable property, the radiation pattern
will remain unchanged even though the operating
frequency of the antenna is different.

150",

150

TTis0

(@ (b)

Fig. 6. Radiation pattern at 2.1 GHz in null state: E-
plane (x-z plane), and (b) H-plane (y-z plane).

D. Gain

The simulated and measured gain plot for all the
switching states are shown in the Fig. 8. The observed
discrepancy between simulated and measured curve is



mainly due to soldering effect of PIN diode. Table 2
shows the gain value obtained through simulation and
measured in its operating frequency.

rETotallmv]

5.8559e+001
- 5.6781e+001
5. 5003 +D01
5.3225e+001
5.1447e+D01
4. 9669e+001
4. 7891e+001
4. 6113e+001
4. 4335e+001
4. 2557e+001
4.0779e+001
3. 9001e+001
3.7223e+001

3. 54uSe+po1
3.3667e+001
3.1889e+001
3.0111e+001

Fig. 7. Three-dimensional radiation pattern at 2.1 GHz.
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Fig. 8. Simulated vs. measured gain plot.

Table 2. Comparison of gain in various switching state

. Operating Gain Gain
Diode State Frequency | Simulated | Measured
State 1 3.5GHz 3.4dB 3.1dB

5.7 GHz 2.7dB 2.5dB
State 2 2.4 GHz 3.1dB 2.9dB
5 GHz 2.7dB 2.5dB
State 3 1.2 GHz 3.3dB 3dB
Null state 2.1 GHz 3.3dB 2.9dB
6.8 GHz 3.4dB 3.1dB
V. ANTENNA COMPARISON

The obtained gain response of the proposed
antenna design is stable (=3dB) for all the switching
states where as other antenna designs will not have such
a kind of performance efficiency. The combined unit of
proposed antenna with microcontroller is compact in
size when compared with that of the existing methods
and design standards [1], [9].

VI. CONCLUSION
In this paper, frequency reconfigurable N-shaped
antenna for wireless communication application has
been proposed and successfully implemented. The
proposed antenna works on various wireless bands such
as 3.5 GHz (WiMAX), 2.4 GHz (WLAN), 1.2 GHz
(GPS), 2.1 GHz (UMTS) respectively. Two PIN diodes

VIJAYAN, KARLMARX, KUMAR, VIMLITHA: N-SHAPED FREQUENCY RECONFIGURABLE ANTENNA WITH AUTO SWITCHING UNIT

are automatically switches the different frequency band
using Arduino board. Hardware prototype is tested in
Lab setup with VNA. The radiation pattern of the
antenna remains same for all the switching states of
the diode and the antenna gain has been realized with
maximum 3.4 dB and minimum of 2.7 dB gain. The
measured results closely track the simulation result and
confirms the antenna configuration.
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Abstract—In this paper, phase and patterns characteristics
of a sub-wavelength broadband reflectarray (RA) unit
element are propounded. The unit element consists of
triple concentric circular-rings on the Rogers 4003
substrate (H) that provide a nearly 615° linear phase
range. To obtain a phase curve with a lower slope, a
3 mm thick Foam (H.) is used and backed by a ground
plane. A complete investigation analysis has been done
to study the phase and patterns characteristics of the
proposed sub-wavelength RA unit element. Results
indicate that not only the incidence angle alter the element
reflection phase, but also for oblique incidence, the
element pattern deforms. It is shown, for sub-wavelength
elements the combined effects of the mentioned factors
are less severe.

Index Terms — Broadband, concentric rings, patterns
characteristics, unit element.

L. INTRODUCTION
A microstrip RA antenna consists of an array of
microstrip patches and an illuminating feed antenna
[1]-[3]. In the design of RA antenna, one of the most
important issues is to achieve a phase shift of more than
360° to insure the required phase compensation.
Different variations of phasing methods for a microstrip
RA have been introduced. These include multilayer
stacked patches [1], aperture coupled designs [1] and

single layer multi-resonant elements [2].

II. DEISGN & CONFIGURATION

The layout of the proposed unit element is displayed
in Fig. 1. The phase-shift mechanism is obtained by
variation of diameter of rings. It consists of three
concentric circular rings, where the radius of inner side
of the ring is equal to the radius of the outer side of the
ring multiplied by the factor of K;. These elements are
etched on a substrate with permittivity (e;) of 3.55 and
thickness (H2) of 0.813 mm. An element spacing of 15
mm (0.5 A at 10 GHz) is used to avoid grating lobes. To
obtain a smoother phase curve, a Foam gap (H:=3 mm)
is considered between the substrate and the ground plane

Submitted On: January 27, 2017
Accepted On: September 22, 2017

[4]. All the optimized parameters are specified as follows:
K1=0.25,K;=0.4, K3=0.55,Ks=0.7, Ks =0.85, D = 2R.

Fig. 1. Geometry of the triple concentric circular-rings.

In [5] and [6], four parameters presented to
investigate the element efficiency. In this paper, we
further dig into the range (w) and variation (B) of the
reflection phase that affects the directivity [1]; the
sensitivity to fabrication tolerances (o) that affects the
quantization errors [3]; and the phase variation rate
versus frequency of the phase curve relative to the RA
elements (a, dispersion [2]) that influences the gain
bandwidth [6]. In this work, the polarization of the
incident and reflected waves are the 6-polarized, that
have the electric fields parallel to the plane of incidence
(x-z plane) with Ex and E, components and the magnetic
field transverse to it (TM case) [7]. The mode to consider
this scanning is the TMgo mode which is the zeroth-order
Floquet modes and, therefore, the conventional plane
wave [1].

In Fig. 2, the phase responses are plotted for A/2
unit-element. Figure 2 (a) shows that incorporating of
multi-resonance elements eases to reach wide range
phase. Here, the bandwidth of the designed RA element
is defined based on the evaluation of the frequency range
by normalizing all the curves with respect to the central
frequency (10 GHz), apart from a margin error Ay which
equals to +45° [5]. As it can be observed, the resulting

1054-4887 © ACES



bandwidth is equal to the value of about 6%, where
the lower (9.7 GHz) and upper (10.3 GHz) bounds of
bandwidth can be identified by dashed lines on Fig. 2 (c).
Also, the bandwidth can be obtained by the frequency
range within which all the phase curves computed for
different values of the element size D are almost parallel

[6].

[ — ]
mm) 200

- -
—_ N

Frequency (GHz)
>
Frequency (GHz)
=

9 9
8 8
6 8 9 12
D (mm)
(b)
[ —

0 «(°/GHz) 180

12 12
N N
T 1 T 11
o o
= 10.3 -
(&) (&)
& 9.7 c 10
=] 3
o o
29 @ 9
w w

8 8

6 8 10 12 6 8 10 12
D (mm) D (mm)
(©) (d)

Fig. 2. The reflection phase characteristics of the A/2
unit-element: (a) v, (b) o, (¢) B, and (d) a.

III. RESULTS & DISCUSSION
All elements in the RA must have proper spacing

between adjacent elements in order to avoid the grating
lobes in the radiation pattern. The element spacing
should be governed by the following conventional array
equation [1, 8]:

d 1

—_—

A~ \[e, +sing
where d is the element spacing or unit cell size, & is the
relative dielectric constant and 0 is either the incident
angle from the feed or the main beam tilt angle from the
broadside direction, whichever is larger. A is the free-
space wavelength of the highest frequency in the
application. Offset-fed reflectarrays are more prone to
grating lobe formation, in case the element spacing is
much larger than 0.5 Ao.

1)
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Another fundamental scanning property typical of
phased arrays is known as scan blindness. It is caused by
the resonance phenomenon that occurs when surface
waves are excited in synchronism with the Floquet
modes of the periodic structure [9]-[10]. Scan angle
depends on the substrate thickness, the substrate relative
permittivity and the inter-element spacing. The scan
blindness occurs before the onset of the grating lobe,
requiring the re-calculation of the element spacing to
maintain keeping the scan blindness out of the required
scanned area. The presence of the TM, surface wave
causes scan blindness only in the E-plane [10]. The
approximate angle at which scan blindness occurs is
closer to broadside by the angle 65, where

Oy =sin™ (ﬂﬂ—l], (2
Ky

where 0 is the difference in angle between the onset of
the grating lobe (1) and scan blindness, Bsw iS the
propagation constant of the surface wave TMy, and Ky is
the free-space propagation constant. The value of the
propagation constant for the dominant surface wave
mode, TMy, in a grounded-dielectric substrate, is given
by the first root of the function Tw(B) [9]. The
implication of the phenomenon of scan blindness is to
force a re-calculation of the element spacing, such that
the scan blindness is out of the required scan area.

To improve the gain bandwidth of the structure [6,
11] and lower quantization phase error [3], sub-
wavelength unit elements have been presented that have
sizes and periodicity below the typical A/2 spacing. In
Fig. 3, the phase response is plotted for A/4 unit-element.
It is evident (Fig. 3 (a)) that the achievable reflection
phase range decreases with spacing reduction. It is
noticed in Fig. 3 (b) that the phase curves feature more
linear behavior and are less sensitive to the size variation
with the decrease of the element spacing [11]. Therefore,
a good manufacturing tolerance is expected to be
obtained with sub-wavelength elements. An impressive
bandwidth improvement, from 6% to 13% around the
design frequency f,=10 GHz, is observed when
decreasing the inter-element spacing from 0.5, to
0.25A,. Notice also the obvious similarity between the
sensitivity to size (Fig. 3 (b)) and frequency dependency
of dispersion (Fig. 3 (d)) in sub-wavelength element,
confirming that dispersion and fabrication tolerance are
deeply associate quantities. There is a similar lower
sensitivity to the incidence angle of the incoming wave
for the reduced spacing, as can be gleaned from Figs. 4
(a) and (b), which apply to the @inc = 0° case. The A/2
spacing case in Fig. 4 (a) is more dependent on the value
of the Binc than the reduced spacing A/4 case in Fig. 4 (b),
for large incidence angles [7].

Figures 5 (a)-(c) show the element patterns
characteristics for different values of inter-element
spacing at different frequencies. It can be seen that the
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variations of element patterns for H-plane (y-z plane) are
larger than E-Plane (x-z plane) case. Clearly, such
variations are smaller for sub-wavelength RA elements
than half-wavelength ones. It can be gleaned from Fig.
5, that the element pattern at H-plane for sub-wavelength
case is more dependent on the value of the frequency.
This observation stems from the fact that at frequencies
below 10 GHz (the center-frequency), like 9 GHz, the
element spacing becomes a smaller fraction of the
wavelength compared to what it is at 10 GHz.
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Fig. 3. The reflection phase characteristics of the A/4
unit-element: (a) v, (b) o, (¢) B, and (d) a.

Figures 6 (a)-(b) show the element patterns
characteristics for different values of inter-element
spacing at different oblique incidence angles. It is
immediately noticed that there is a narrowing of the
element beamwidth when 6i, increases from zero.
Furthermore, the element pattern becomes deformed.
Both beamwidth narrowing and deformation effects
become less severe for the sub-wavelength Iattice
situation, therefore, one more reason for the superior
behavior of sub-wavelength reflectarrays. The element
patterns are important both from the point of view of
coupling of the feed field to the elements, and the
reradiated field from the elements [7].

The current amplitude distribution in the substrate
region below the ring elements, at different frequencies
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is displayed in Fig. 7, when it is excited by an x-pol plane
wave at normal incident angle for the element with
different inter-element spacing. It can be noticed that the
intense resonation occurs alongside the gap between the
inner and outer rings [12]. In [12], it is shown that these
radiating edges act as secondary sources and reradiates
the required reflection phase. It is also observed that at
A/2 unit elements these currents are more dominant than
at M4 sizes which indicates that the sub-wavelength unit
elements have lower loss and more total performance
[11-12].
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Fig. 4. The reflection phase characteristics at 10 GHz: (a)
M2 unit-element, and (b) A/4 unit-element.
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Fig. 5. Element patterns for different inter-element
spacing: (a) 9 GHz, (b) 10 GHz, and (c) 11 GHz.

IV. CONCLUSION
In this paper, a sub-wavelength broadband RA
unit element based on triple concentric circular-rings
is evaluated. A complete investigation has been done



to study the phase and patterns characteristics of the
proposed sub-wavelength RA unit element for oblique
incidence angles. It is shown that the incidence angle
alters the element reflection phase and the element
patterns, but for sub-wavelength elements these effects
are less intensive.

E-Plane H-Plane
0 0
-30 30
-60 +10.00 60 60
-0 90 -90 %
(@)
E-Plane
0
m -
47
-60 -2.00 60 60
-90 90 -90
(b)
Onc=0 Onc=0" = ===
I T R — One=30" = = = =
Onc=60 Opc=60" = = = =

Fig. 6. Element patterns for different &,,.: (a) A/2 unit-
element, and (b) A/4 unit-element.
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Fig. 7. Current distribution for normal incidence at: (a)
9 GHz, (b) 10 GHz, and (c) 11 GHz.
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