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Optimization of the Shape of Non-Planar Electronically Scanned Arrays for
IFF Applications via Multi-Objective Invasive Weed Optimization Algorithm

Stefano Maddio, Giuseppe Pelosi, Monica Righini, Stefano Selleri, and Irene Vecchi

Department of Information Engineering
University of Florence
[stefano.maddio, giuseppe.pelosi, monica.righini, stefano.sellerij@unifi.it, irene.vecchi@stud.unifi.it

Abstract — The identify friend or foe antenna is a
complement to many radar antennas which allows
the discrimination between friendly and hostile targets
by receiving identification data. Such antenna must
synthesize both a sum and a difference pattern in azimuth
to allow target discrimination and must point to the
target being inquired, either by mechanical or electronic
scanning in azimuth. In this paper, to attain optimal
electronic scanning, an array of antennas lying on a
generic planar curve is considered. A multi-objective
optimization based on the invasive weed optimization
algorithm is then applied to the shape of such
curve, aimed at maximizing performances. Whereas a
conventional linear array of 6 elements can effectively
scan +30°, with respect to broadside, the proposed array,
notwithstanding the same number of elements and overall
length, can scan +45° and still synthesize effective sum
and difference patterns.

Index Terms — Antenna arrays, conformal arrays, IFF
antenna, optimization, phased arrays.

I. INTRODUCTION

The identify friend or foe (IFF) system integrates
military radar antenna. It allows the discrimination
between friendly and hostile targets by receiving
identification data. IFF systems relies on their own
antenna, placed in proximity of the radar antenna [1]. IFF
antennas are almost as old as radar itself and their design
is a long running engineering problem [2]. Current IFF
standard, Mark XII, states a transmitting frequency
centered at 1030 MHz and a receiving frequency
centered at 1090 MHz. Hence frequency much lower
than those currently used on radars. Yet, the IFF antenna
must have azimuth angular discrimination characteristics
comparable to those of the matching radar and should not
be larger than the radar antenna itself. These conflicting
requirements are addressed by designing IFF antennas
capable of generating at the same time a sum (%) pattern
for communication and a difference (A) pattern for
target discrimination in a framework similar to that of
monopulse radars [2-4]. The IFF is commonly a linear
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array, seldom a planar array, of few elements which can
of course be implemented on a flat surface [5,6] or made
conformal to a curved surface [7].

If the radar is to be an electronically steering active
array antenna, as it is the current state-of-the art, then
also the IFF antenna should be electronically steerable
in both sum and difference patterns, with steering
performance comparable to that of the main antenna.

If the IFF antenna is to be of the same size of the
main antenna, being requested to work at a much lower
frequency, then its number of elements will be much
smaller, and scanning capabilities would be impaired
with respect to the main antenna [8]. In this contribution,
a compact IFF array with few elements to keep its width
minimal is designed, via a stochastic optimization
procedure, to achieve maximum scanning capabilities.

Optimization is made on the curve, contained in
the xy, horizontal, plane, on which radiating elements
are placed and a multi-objective strategy is applied to
the pattern as steering is performed on the xy-plane
(azimuth) cut. The basic idea is that the array is not
conformal to any given surface due to mechanical
reasons but is rather of a shape designed so as to
maximize scanning capabilities.

In this paper preliminary results are presented,
attained on an ideal array comprising non-interacting
elements with weakly directive patterns, optimized
via an in-house multi-objective (MO) implementation
of the invasive weed optimization (IWO) algorithm
[9-10]. IWO has been chosen among many competing
algorithms for its good performances in electromagnetic
problems, both antenna ones [11-14] and circuit ones
[15-16]. Its extension to MO is simple, as per any
population based stochastic optimization method, as
explained in [17]. In the present paper radiating elements
are considered ideal sources, implementation with patch
antennas and full wave simulations will be matter of
future studies.

The paper is organized as follows: the following
Section |l describes the problem set up; Section IlI
presents the optimization method; Section IV the
optimization results. Finally, Section V draws some

1054-4887 © ACES
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conclusions.

I1. ARRAY GEOMETRY AND
OPTIMIZATION VARIABLES

The reference for the analysis is a Cartesian
reference with a vertical z-axis. Due to the IFF application
only azimuth patterns will be considered, that is xy cuts
of the radiation solid. The coordinate considered is &,
measuring the angular distance between the x-axis and
the direction of observation.

The problem geometry is sketched in Fig. 1: a
spline, defined by N+2 control points, the first (0,0) and
last (L,0), being fixed, is used as a baseline on which to
deploy radiating elements. The internal N control points
(xi,yi) with 0<x1<...<xi<...<xn<L are evenly spaced in x,
while their coordinates 0<yi<ymax are the variables for the
optimization procedure.

Ay
« control point
o radiating element

) O _

Y
Py b
0

Fig. 1. A spline in the (x,y) plane defined by N+2 control
points and on which M radiating elements are uniformly
spaced.

On the spline M equally spaced radiating elements
are deployed. Since the spline length varies as the control
points (x;,yi) are moved, physical feasibility constraints
are enforced, i.e., the number of elements M is chosen
so that the straight array along the segment of length L
is realizable. That is, elements are further than half
wavelength from each other in the straight array. Then,
since any possible spline is longer than L, the spline-
based array is realizable. First and last elements are
placed at a distance from the end of the spline equal to
half the inter element distance. This to ensure that, when
this design will be used in practice, finite dimension
patch antennas will have room within the spline.

Element pattern is assumed as either a cardioid or
a cosine, both being a good approximation of a patch
antenna pattern at least in the upper half-space:

p(0) :{cos”(e—e(”’) if cos(9-0")>0 cosine

0 otherwise pattern

(D)
cardioid

2 pattern

Being 6" the boresight direction (maximum
radiation) of the pattern.

b(0) :cos(é?—ﬁ(b’)ﬂ
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When elements are deployer onto the spline, the
boresight direction 6® of the generic element i is

set perpendicular to the spline as it is the standard in
a conformal array (Fig. 2). By comparing boresight

direction 9 with the desired scan angle 6, it is possible

to switch off an element that would not contribute
significantly to the pattern. In the following

if |6, — 6| > 0,,, then, element i is turned off, being 4,
among the optimization parameters (Fig. 2).
« control point

© ON radiating element
Ay @ OFF radiating element

0 L

Fig. 2. On/off array elements selected on the basis of the
beam steering. Angle @ is measured from x axis.

1. IWO ALGORITHM AND
OPTIMIZATION SET-UP

The IWO algorithm searches for the best cost value
by mimicking the behavior of invasive weed in a crop
field. In its MO version (MO-IWO [14]) P weed seeds
are randomly scattered on the problem parameters
domain, from each seed grows a plant, plants are then
ranked according to a non-dominating sorting [17] on the
basis of the various cost functions evaluated at their
position. Plants in excess are discarded.

Plants ranking higher in the sorting are considered
as growing in an area rich of resources and hence
produce more seeds than plants with worse cost values.
The number of seeds each plant can produce vary from
1to M;,

Newly produced seeds are then spread around
the plant location according to a normal (Gaussian)
distribution of standard deviation ¢, and give rise to new
plants in the population. o is decreased at each iteration
so as to refine solution. Basic algorithm details can be
found in [9], where single objective IWO is discussed.
Figure 3 shows the flow chart for the MO-IWO here
implemented. Both the MO-IWO algorithm and the
evaluation of the array costs detailed in the following
have been implemented by the authors in Matlab.

For the present case N=3 inner control points are
chosen. The x; are equally spaced in the [0, L] interval,
and symmetry is enforced, i.e., y1= ys. Optimization
variables are hence only two: yi and y,, with the
additional choice of parameter ymax =L.



Optimization parameters are then OGma=n/3, M=6,
L=22, being A the free-space wavelength. Patterns are
cosine type, with n=1 (see eq. (1)).

Define the variables space and its limits

Y

Scale variables to unit hypercube
to have standard boundaries

Y

| Initialize population generate P random plants |

| Evaluate multiple costs for each plant |

Y

| Perform a non-dominating sorting |

Eliminates the worst plants
reducing population to P

Reproduce generating a number of seeds
proportional to pareto ranking and disseminate them
according to a Gaussian probability distribution of
standard deviation o

Y

Seeds germinates, producing from P to M.P
new plants which adds to the existing

No

Finished?

Yes

De-scale and output Pareto front

Fig. 3. MO-IWO Algorithm flowchart.

Costs are defined in terms of the following pattern
quality parameters (Fig. 4):

6 — desired scan angle; on the basis of this angle

theoretical phases for the elements are
computed,;
6 — scan angle effectively synthesized with

theoretical phases on sum pattern (X); this will
differ from 6q, in general, due to the fact that
element boresight directions are not aligned;

6 — scan angle effectively synthesized with
theoretical phases on difference pattern (A);
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6. — left crossing angle between sum and difference
patterns;

6+ — right crossing angle between sum and difference
patterns;

ND — null depth, difference between normalized sum
pattern maximum and normalized difference
pattern minimum (computed in linear scale, not
dB, i.e., in the [0,1] range).

dB

Fig. 4. Sum (blue, solid) and difference (red, dashed) and
pattern parameters described in the text.

Based on these 6 quality factors, 5 costs are defined
as the maximum values over the scan angle range of the
following quantities:

G = max ](ND) @)
= max (16 ~6.). ®
&=, max (6. =€), 4)

= 0% [0 -l 6 -2). )
e = max (0. -0,/ 6.0 ©

Being [6_, 6, ] the desired scan interval with respect
to broadside. In our analysis +45°, that is, being the
broadside direction 8 = 90°: 6_ = 45°, 6, = 135.

A sixth cost, cs, is given by the maximum y value of
the spline, hence it accounts for the antenna overall size.

All costs ought to be minimized: Minimization
of (2) leads to the deepest, hence sharper, null.
Minimization of (3) leads to the best alignment between
the sum maximum and the difference null. Minimization
of (4); leads to the smallest effective angle, that is the
smallest beamwidth for the sum/difference beam pair,
which is a crucial parameter for target discrimination.
Minimization of (5) and (6) leads to maximum symmetry
between the effective angle and the maximum/null
directions.

The IWO algorithm is run with P=25, Ms=3 for
200 generations. Standard deviation o starts at 0.1 and
linearly decreases to 0.001, at generation 200. Figure 5
shows the number of elements on the Pareto set. Note
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that if all 25 plants are in the Pareto set, then each
produces 3 seeds and the total number of plants, after
ranking and before elimination of the worst, sums up to
100. If plants on the Pareto set must be discarded the
crowding distance is employed to select those to discard
[17]. At the end of the optimization procedure, a Pareto
set containing 25 solutions is obtained. Run time over a
relatively old i5-4590S PC with 16Gb ram was about 1h,
with most of the time dedicated to the determination of
the pattern quality parameters.

1001

(o]
[=]

(o))
o

B
[=]

Number of plants

[}
[=]

% 20 40 60 80 100 120 140 160 180 200
Generation

Fig. 5. Number of plants on the Pareto set as a function
of generation.

V. OPTIMIZATION RESULTS

The optimization run returned a Pareto set of 25
elements. A Pareto set is a set of non-dominated
solutions in Pareto sense, that is, optimal solutions on
which a trade-off must be done a posteriori [17]. Figure
6 shows six 2D projections of the 6D cost space. It is
apparent how many different performances are attained.
The chosen solution for showing patterns in detail in the
following is number 24, highlighted by the green bullets
in Fig. 6. Such a solution shows excellent cost values for
the first four costs, an acceptable behavior on the fifth,
and quite poor values for the sixth cost. Since ¢g is bound
to spline height, this means that the spline extends
significantly in the y direction, but space occupation
requirement is here considered less important than
electromagnetic behavior.

The spline defining the optimal array chosen among
the ones in the final Pareto set is defined by the control
points reported in Table 1 and the shape sketched in Fig.
7. It is somewhat surprising at first that the array is not
convex but a mix of convex and concave, the middle
point being lower in y than the surrounding ones.

Table 1: Spline control points

0 1 2 3 4
X 0 0.5 1 15 2
y 0 0.880 | 0.275 | 0.880 0

ACES JOURNAL, Vol. 35, No. 5, May 2020

1.5 [w} g 6
1 4 [o's
o ]
[&] [&]
o]
0.5 2
o)
0 . ® 0
0 0.2 0.4 0.6 0 0.5 1 1.5
€ C,
4 1
o
o)
3
ot 2 o° 0.5
1 é
0 0
0 2 4 6 0 4
Cy 4
0.6 0.6
o) a)
0.5 0 O
8 04t S0
o’ 04! B % o % o
g% 02f0® Q&
e} ®
0.2 0
0 0.5 1 0.2 0.4 0.6
5 C

Fig. 6. 2D cuts of the 6D cost space showing the attained
pareto set. Empty circles: all solutions; filled bullet:
solution selected. Costs are linear (c1), in radians (c2 to
Cs) or wavelengths (c).

Fig. 7. Optimized geometry (bullets) with element factors
and boresight directions highlighted, and equivalent
linear array (empty circles).

This is indeed explained by the need of having a
wide baseline for the array elements also while scanning.
The optimized spline allows to have from 6 to 4 elements
contributing to radiation for any scan angle, but, when
four only are used, they may not be contiguous, especially
at angles far from boresight, so effectively realizing a



larger baseline countering the baseline reduction due to
scanning.

Figure 7 shows the optimized geometry and the
equivalent linear array of the same baseline and number
of elements used for comparison.

Figure 8 shows all the costs, as compared to the ones
computed for the linear array with the same baseline. For
a clearer understanding, null depth (cy) is reported in dB
as a positive value while all the other costs are reported
in degrees.

Optimized
Linear

Cost values (degrees or dB)

40 50 60 70 80 90 100 110 120 130 140
Scan angle 0 (degrees)

Fig. 8. Comparison between the five costs defined on
patterns evaluated over the optimized array and over the
corresponding linear array. Costs are in dB for null depth
and degrees for the others. Cs is not shown since it is not
angle dependent. Null depth for linear array is always
better than 50dB and out of the graph.

It is apparent, as scan angle gets farther from
broadside, how the linear array performs steadily worse,
while the optimized array has a clear step down in costs
when it passes from the configuration with all 6 elements
turned on to one of those with just 4 elements on. It is
worth noticing that better results could be achieved with
amplitude modulation of the elements, but in this work it
has been decided to use phase only synthesis so as to
attain a simpler implementation of the real antenna in the
future.

To have a better understanding of the performance
comparison, Fig. 9 reports the sum and difference
patterns for three scan angles, namely 45°, 60° and 90°
(broadside).

It is clear from the patterns that the linear array is
unusable at 45°, the difference pattern never gets higher
than the sum pattern on the left of the main beam,
meaning that the effective angle cannot even be defined.
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Furthermore, the maximum and the null happen at quite
different angles. On the other hand, the optimized array,
even if presenting an asymmetry in the effective angle,
has a much better behavior.

Scan angle 0, = 45°

Z and A patterns (dB)
=}
[=]

—— === Optimized |

—— ——= Flat
. . A ali . 1L, ,
20 40 60 80 1000 120 140 160 180

Angle 0 (degrees)

_—

jaal

=

S

22}

E

&

=

=3

<

=)

=

S

A z A |
—— —== Optimized 'Il
—— ——= Flat [

. .l . . I PR Y S W
0 20 40 60 80 100 120 140 160 180
Angle 0 (degrees)
0
_ _\Scan angle 6, =90°
L /f," \\\ P \\\\ J
2/ 7 v\
—_— Vv A\ b \
/| o-10F Vv iy A
= / / Vi L
) L -~ hil A
£ "k ] .y
s & 7 - \ ~.
= -20p i l||l \
(=9 { il \
< L ! ! \
5 ! \
=] |
s 30} ! !
2 / T A
t If ——— === Optimized
| —— ——— Flat
-40 Wi . . . . 1
20 40 60 80 100 120 140 160 180

Angle 0 (degrees)

Fig. 9. Patterns for the optimized and linear array a three
different scan angles.

The 60° case is less critical and the linear array can
be used at that steering, yet the displacement of the null
with respect to the maximum is much greater than for
the optimized array. The 90° case is of course the best
performing for both. It must be noted that, relying on
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phase only synthesis, the linear array always has a very
deep null thanks to the fact that all element have the
same orientation and hence perfect cancellation can
be achieved. On the optimized array, due to different
orientation, perfect cancellation is not attained by simply
inverting half of the phases. Better null depth is hence
possible via a minor optimization on the phase. This can
be done via a further optimization, which also should
take into account the real digital phase shifter to be used
and hence their finite phase increment step.

V. CONCLUSIONS

By allowing an automatic stochastic MO-IWO
optimization on a spline-defined curved array for IFF
applications superior scanning performances are attained.
Elements are turned on/off on the basis of their boresight
direction with respect to scan angle. The convex-concave
curve, obtained by optimization, might seem counter-
intuitive but a posteriori its superior performances can
be justified by the increased baseline of the array when
scanning. Further studies will be carried out in the future,
with full wave simulations on a printed array in this
shape to assess its electromagnetic performances also
taking into account mutual coupling.
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Abstract — The radar cross section (RCS) of sea-
skimming unmanned aerial vehicle (UAV) can be
influenced by the sea surface scattering under different
sea conditions. In this paper, a composite model of the
rough sea surface and sea-skimming UAYV is established.
A hybrid algorithm based on the application of physical
optics (PO) method and improved multilevel fast
multipole algorithm (PO-IMLFMA) for solving the RCS
of the composite model based on four-path model (FPM)
is proposed. Compared with multilevel fast multipole
algorithm (IMLFMA) and PO and method of moment
(PO-MOM), PO-IMLFMA has the advantages of
less memory consumption (about 295 MB) and faster
solution speed (about 768 s) for solving the composite
model. Furthermore, in view of the influence of
sea surface on the RCS of sea-skimming UAV, a
compensation scheme based on back propagation (BP)
neural network for the RCS of UAV is proposed. The
compensation scheme is analyzed for the monostatic
RCS of sea-skimming UAV under different sea
conditions. The compensation results show that the
compensation errors under 1-scale, 3-scale and 5-scale
sea conditions are less than 0.95 dBsm, 0.41 dBsm
and 1.94 dBsm, respectively. In other words, the
compensation scheme significantly reduces the influence
of sea conditions.

Index Terms — back propagation (BP) neural network,
four-path model (FPM), improved multilevel fast
multipole algorithm (IMLFMA), physical optics (PO),
Radar cross section (RCS), sea conditions, unmanned
aerial vehicle (UAV).

I. INTRODUCTION
With the rapid development of ocean construction in
the world, sea-skimming aircraft has been widely used in
quite a few aspects such as ocean reconnaissance and
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disaster prevention. The sea-skimming unmanned aerial
vehicle (UAV) can fly over the sea at extremely low
altitudes when they perform various tasks [1]. The
scattering of sea-skimming UAV can be hidden through
the help of scattering of sea surface. Radar cross section
(RCS) can be used to quantitatively characterize the
stealth performance of targets. The electromagnetic
scattering characteristics of sea-skimming UAV and the
influence of sea clutter on the scattering characteristics
of sea-skimming UAV can be analyzed by the study of
RCS. The study of composite electromagnetic scattering
characteristics of rough sea surface and target is widely
used in radar detection, marine remote sensing and
military confrontation, and becomes an effective means
to solve the problem of radar detection and tracking
of sea objects [2]. The RCS of UAV usually varies
randomly with time or radar incident angle in the course
of flight.

In [3-4], the RCS problem of UAV was considered
from different angles. The RCS of three-dimensional
(3-D) electrically large object can be calculated by the
finite-difference time-domain (FDTD) algorithm [5],
method of moments (MOM) [6-7], the multilevel fast
multipole algorithm (MLFMA) [8-9], physical optics
(PO) and the Kirchhoff Approximation (KA) methods
[10-12]. The RCS of the UAV can be calculated
accurately by the above numerical algorithms, but the
influence of actual environment such as the rough sea
surface on the electromagnetic scattering characteristics
of targets is not considered.

Common models of the rough sea surface are
Pierson-Moskowitz (PM) spectrum [13], Elfouhaily
spectrum [14], and Philips spectrum [15]. Rayleigh was
one of the first people to propose a mathematical model
of rough sea surface [16]. Pino used the Monte Carlo
method to construct a one-dimensional sea surface
model and analyzed the electromagnetic scattering
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characteristics of two-dimensional (2-D) objects above
the sea surface by the generalized forward and
backward iteration method (GFBM) [17]. In [18], the
inhomogeneous fast plane wave algorithm is used to
study the composite RCS characteristics of 2-D rough
surface and 3-D complex objects above it. However,
the RCS of sea-skimming UAV considering the sea
conditions is not studied by above methods, and the RCS
compensation method for the object under the influence
of sea surface is not proposed. In this paper, the RCS of
the composite model of the sea-skimming UAV and the
2-D rough sea surface is established based on four-path
model (FPM). Then, the RCS of the composite model is
calculated and analyzed by the new hybrid numerical
method based on the application of the PO method
and improved multilevel fast multipole algorithm
(IMLFMA).

The RCS value of rough sea surface will affect
the RCS value of UAV when solving or measuring
the RCS of sea-skimming UAV. In order to eliminate
this unnecessary influence, a strong non-linear fitting
algorithm - back propagation (BP) neural network
algorithm is introduced in this paper [19-20]. The
relationship between different incident angles, azimuth
angles, RCS values of the rough sea surface, RCS values
of composite model and RCS values of sea-skimming
UAV is obtained by the nonlinear mapping of BP neural
network.

The structure of this paper is organized as follows.
A model of rough sea and sea-skimming UAV is
established in Section Il. In Section 111, the RCS of the
sea-skimming UAV considering the sea conditions is
analyzed by the IMLFMA based on the FPM. A RCS
compensation method based on BP neural network for
sea-skimming UAYV is presented in Section V. Section
V validates and analyzes the algorithm proposed in this
paper. Finally, a conclusion is presented in Section VI.

Il. MODELING FOR RCS CALCULATION
OF ROUGH SEA SURFACE AND
SEA-SKIMMING UAV

A. Rough sea surface modeling based on Monte Carlo
method

The sea conditions studied in this paper are the sea
surfaces under different wind and wave scales. The basic
parameters of the international sea conditions standard
are shown in Table 1. Where W. h. stands for the wave
height, W. v. represents the wind velocity. The sea
surface model is generally considered to be rough
surface within the scope of electromagnetic scattering
calculation. Rough surface has strong randomness and
can be represented by relevant statistical parameters,
including power spectral density, root mean square
deviation, correlation function, root mean square slope,
and radius of curvature.
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Table 1: Parameters of international sea conditions
standard

Scale Name W. h. (m) W. v. (m/s)
1 Tiny wave 0-0.30 0-3.08
2 Middle wave | 0.91-1.52 6.17-7.71
3 Billow 2.44-3.66 | 10.28-12.85

The power spectrum, known as the wave spectrum,
is the most important statistical parameter in rough sea
surface modeling. It reflects the distribution of harmonic
components in azimuth and spatial frequency, and is
the result of Fourier transform of sea surface height
fluctuation correlation function. In this paper, the rough
sea surface is modeled based on the PM spectrum under
different wind speeds. The PM spectrum is:

_ g V"
S(a))—agexp{—ﬂ(m) } , 1)

where 0=8.1x10 and #=0.74 are dimensionless empirical
constants, g is the gravitational acceleration, g = 9.81
m/s?, U is the average wind speed at a height of 19.5 m
above the sea surface and @ is angular frequency.

The randomly rough sea surface model under
different sea conditions is simulated by Monte Carlo
method. The main principle is to filter the power
spectrum in the frequency domain and then the inverse
fast Fourier transform is performed to obtain the discrete
height values of the rough surface.

A two-dimensional rough sea surface of size Dx x
Dy needs to generate N x M grids in the x and y directions

with Ax and Ay as the steps. The height z=f (X, Y,,)
of each point on the rough surface at (x,=nAx,
Yn=MAY),(n=-N/2+1,.., N2, m=-M/2+1, .., M/2)
can be expressed as:

1

(X, V) =15 5 %
n m DXDy

y oy e
ST Flkpk e e

where F is a coefficient, given by,

F (K pkyq ) =27, DDW (ke .k, o)
N (0,2)+iN (0,2) N M
———F— p=L..,—>-Lg=L..,—-1, (3
x 2 p=bonp—ha > 1. ()
o N.q-oM
N(0,1) p—0,2,q 0, >

where ky,p stands for the coefficient related to the x
direction whereas ky q is the coefficient related to the y
direction. Specifically ky,, =27p/Dy , ky,q =270/Dy .

In order to generate 2-D rough surfaces of real
sequence, F(Kyp,kyq) must be conjugate symmetric

with respect to the origin as shown in (4) and (5):
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F(_kxyp"kyvq): F*(kxvp’ky,q)’ (4)
F(kxyp'_kyvq): F*(_kxvp’ky,q)' (5)

The PM spectrum is selected as the power spectrum
and converted into polar coordinate form as:

W(kx,P'ky,Q):Wl(K'@’ (6)

where K =ykf,+kiq , g=arctan(kyq/Kep)-

The PM spectrum Wi (K, ¢) can be solved by:

wl(K,¢)=q>(K,¢)V$, )
W)= SOV ES e

where S(w) (w=4/gK ) can be obtained by (1). If rough
surface is approximately isotropic, ®(K,¢)=1/(2x).

According to (2), sea surface models under different
wind speeds can be simulated. Referring to the Table 1,
the sea surface models under 1-scale sea condition with
1 m/s wind speed, 3-scale sea condition with 7 m/s wind
speed and 5-scale sea condition with 12 m/s wind speed
are established respectively, as shown in Fig. 1.
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Fig. 1. Sea surface model under different sea conditions.
(a) 1-scale Sea condition (wind speed 1m/s). (b) 3-scale
sea condition (wind speed 7m/s). (c) 5-scale sea condition
(wind speed 12 m/s).
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B. Construction of RCS calculation model for sea-
skimming UAV

The RCS calculation model of sea-skimming UAV
is established especially for the electromagnetic
scattering problem. The electromagnetic scattering
characteristics of each component of UAV have some
degree impact on the RCS of the entire aircraft.
Therefore, the scattering contribution of components
is also considered in the structural design of UAV
besides aerodynamic requirements. Compared with
strong scattering components, some details of UAV have
little contribution to the total scattering field, which can
be neglected. So the RCS calculation model of sea-
skimming UAYV focuses on the components with strong
scattering contribution. The following components are
considered in UAV modeling:

1) Wing and tail. The wing is modeled with a twist-
free wing, so the front and rear edges of the wing are not
considered. The parameters of the tail are similar to those
of the wing, but the angle between the flat tail and
the vertical tail should be taken into account, because
the incident electromagnetic waves will be reflected
multiple times between the flat tail and the vertical tail.

2) Fuselage. The fuselage is the main part of the
modeling. The position of the main axis and the shape
parameters of the fuselage need to be considered. The
shape structure of fuselage, the curve parameters of top,
bottom, side and cross section must be considered in the
process of modeling.

3) Inlet port. The inlet is a cavity, and its internal
structure has a great influence on the scattering. The
detailed geometry of the inlet should be taken into
account when modeling. The main parameters include
the lip curve, the top, bottom, side and cross section
curve.

Referring to the parameters of a type of sea-
skimming UAV, the model has a wingspan of 7.1 m, a
fuselage length of 2.6 m and a height of 0.87 m. The
surface material of the model is conventional metal
conductor. The model is built in the FEKO software, as
shown in Fig. 2. The ki and ks are the unit vectors of
incident and scattering directions of the radar wave,
respectively. 6 is the incident angle of the radar wave, g;
is the azimuth angle of the radar wave, 6 is the scattering
angle of the radar wave, ¢s is the azimuth angle of
the scattering wave, and y is the bistatic angle. hi and vi
are unit vectors of horizontal and vertical polarization
directions of incident electromagnetic waves, respectively.

The RCS o is independent of R when the R is large
enough to satisfy the far field condition. R is the distance
between radar and UAV. The far field RCS of UAV is:

2
o= lim 47R? | Es '2, )
R =

where Es is the intensity of scattered electric field and Ei




is the intensity of incident electric field. The RCS of the
UAYV in HH polarization o, and VV polarization o,

are:

h

oy, = lim 47R? :Eshl , (10)
1

w=lim 4z RZI| Svlz , (11)

where E!  EY, E!, and E} are the horizontal and

vertical polarization components of E, and E; ,
respectively.
Transmitter v, z
A
Receiver

X 75 ~
Fig. 2. Simulation model of sea-skimming UAV.

I11. RCS ANALYSIS OF SEA-SKIMMING
UAV AND ROUGH SEA SURFACE

A. RCS analysis method of rough sea surface

The hardware requirement is high and the
computing time is long when the numerical algorithm is
used to accurately solve the scattered field of rough
sea surface. Accordingly, the PO method based on high
frequency approximation is applied to calculate the RCS
of rough sea surface quickly. The scattering field of
rough sea surface is calculated by the KA method. In the
mode of long distance detection of high frequency radar
wave, the radius of curvature of rough sea surface is
larger than the wavelength and the far field condition is
satisfied, so the calculation of scattering field of rough
sea surface satisfies the application condition of the PO
method.

The PO method uses the induced current on rough
sea surface as the source of scattering field, and then
integrates the surface current to obtain the scattering
field. The scattering field is obtained by integrating
the surface current. Figure 3 is a geometric schematic
diagram of rough sea surface scattering. The r's, is the
position vector of scattering source point on rough sea
surface and rse, is the position vector of receiving point.
When the plane wave irradiates the rough sea surface,
the magnetic vector potential at the receiving point P of
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the scattered wave is:
/’l ' e J 'sea
Asea ( sea — J]- ‘]sea sea R dSsea 1 (12)

sea

where Jsea(I'sea) and dSsea are the induced current density
and element area at the scattering source point on the sea
surface, respectively. usea is the sea surface permeability,
k is the wave vector, k = |k| = 2n/4, 4 is the wavelength,
Rsea IS the distance from the receiving point to the
scattering source point, Rsea = |Fsea — I'seal-

Plane wave incidence

Receiving point

Fig. 3. Geometric schematic diagram of scattering from
two-dimensional rough sea surface.

From (12) and far field condition |kR[|>>1, the
scattering electric field of the sea surface is:

Esea (rsea 2” JI Rsea

e - Rsea ! (13)

><|:Rsea ( seaXH :| dSL

where S, is the bright area of the scatterlng object, &sea IS
the dielectric constant of the sea surface, and N is the
bin normal unit vector of the scattering source point on
the rough sea surface.

The expressions of the incident electric field Ei and
the incident magnetic field Hi are:

Ei (I'a)=Ege =, (14)

H; (rlsea)Z%kO xE; (r'sea) ) (15)

where Ko is the unit vector of the direction of wave vector
and # is the wave impedance. The RCS values of rough
sea surface can be obtained by substituting (13) and (14)
into (15).

B. Optimal method for RCS solution of sea-skimming
UAV

Under the incident electric field Ei, the scattering
electric field generated by surface current of the UAV is
as follows:

EUAV (rUAV ) = _ja)AJAV (rUAV )_V%Av (rUAV ) ' (16)
where j stands for the imaginary symbol, ruav is the field
coordinate vector of receiving point, Auav(ruav) is the
magnetic vector potential of the UAV, and ¢,y (fuay ) 1S

the scalar potential of UAV. Auav(ruav) and @y (fuay )
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are as follows:
— JkRyay

, €
A (rUA\/ ) = %sﬂl Juav (rUA\/ ) Runy dSUA\/ ) (17)
-1
o (Toav ) = 7——— || Vs Juw ()
av \ luav 47 jwsyn, s{{/ sYuav \luav | (18)
e*ikRuAv
.—RUAV dSUAV

where uuav and suav are the permeability and dielectric
constant of the UAV conductor, r'yav is the coordinate
vector of scattering source point, Ruav = |ruav — I'uay|
is the distance from the scattering source point to the
receiving point, and Juav(r'uav) denotes the current
density at scattering source point of the UAV surface
Suav, Vg is the divergence operator.

It can be seen from (16) that the RCS value of UAV
can be obtained by calculating the surface current
density. The approximately current distribution of the
surface of the UAV can be obtained by the PO method.
The difference between the unknown current and the PO
current is closer to zero vector. The improvement of
computational efficiency can be achieved by using the
difference vector instead of the unknown vector.

The conventional MLFMA is an improvement of the
MOM, but the initial value of iterative solution of the
MLFMA is usually set to zero, which leads to a large
gap with the actual target surface current distribution.
Therefore, the IMLFMA based on the PO current
distribution is proposed to solve the RCS of the UAV in
this paper. The iteration times and the computing time
are the focus of the proposed algorithm.

The PO surface current density of the UAV
expanded by the Rao-Wiltion-Glisson (RWG) basis
functions can be expressed as:

Npo

Juav (av ) = nUAv xH; (fyay ) = Z a, f(fuay )+ (19)
.

where a, is the scalar coefficient to be calculated and f,

is the basis function of an orthogonal complete set, n =
1, 2,...,Npo. Nyuy isthe normal unit vector of the surface

of the UAV. The coefficient of the basis function can be
obtained by:
1
I f, (rUAV )E Nyay X H; (rUAV )drUAV
Suav . (20)

Npg

= Z a, J (Tuav ) o (Fuav JdMuay
Suav
Assume that the impedance matrix equation is:

[Zmn][ln]:[vm]’ (21)
where [Zmn] is a general impedance matrix of order
MexcXNpo, [In] is an unknown matrix of order Npox1 and
[Vm] is an excitation matrix of order Mecx1. The
elements in the matrix are I, = an, Zmy and Vi are inner
product of Zmn = <tm, L(fn)>, Vin = <tm, gexc>, respectively.
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Where L stands for a linear operator, gexc denotes an
excitation function and tn (m = 1, 2,..., Mex) is a weight
function. For iterative algorithms, the iteration times
usually depends on the impedance matrix and the
excitation vector. Different excitation vectors [Vi] need
different iteration times when the impedance matrix
[Zmn] is the same. For the same model, less step is needed
to iterate if the surface current is relatively smooth. The
iteration times of (21) is zero when there is no incident
plane wave. The PO current is used as a correcting
current to make [Vi] approach to zero, which can reduce
the iteration times and improve the calculation efficiency.
The form of sparse matrix equation (20) is:

[Zon][1o]=[Vi]. (22)
where
= j (fuav ) o (Foav ) diay (23)
Suav
= j (Tuav ) nUAV <Hi (ay )digay - (24)

Suav
The local current vector [l'g] is extended to the
overall current vector [lo], and the [I'o] distribution of the
original element is retained. Substituting [In — lo] into

(21):
[Zmn][ln_Io]:[vm]_[zmn][lo]- (25)
The right part of the equation can be expressed as:
[Vol=[Zm[1o]- (26)
Replace the initial vector with a zero vector:
[Zmn][IX]:[Vm]_[VO]' (27)

The iterative algorithm is used to solve the matrix
equation of (27). After the iterative operation is finished,
the calculation result is corrected by [lo], and the final
solution of the electromagnetic scattering problem is:

[1a]=[1]+1o]- (28)
As can be seen from the above process that the PO
current matrix is relatively easy to obtain and requires
only a small storage space, so the process of solving the
impedance matrix equation is also less time consuming.
Although another matrix vector multiplication operation
is required before the start of the iteration of (27), the
total solution time is not significantly increased. After
the improvement, the vector [Vim] — [Zm] [lo] is closer to
zero vector than the vector [Vn]. Less iterative steps are
required during the iterative process to obtain the results
of the calculation. Consequently, the IMLFMA based on
the PO current can be used to calculate the RCS of UAV
quickly and accurately.

C. RCS solution model of sea-skimming UAV and
rough sea surface based on FPM

Strict iteration requires too much memory and
computing time to solve the coupled electromagnetic
scattering between rough sea surface and UAV. The
FPM has become one of the most effective models for



solving the coupled scattering field [21]. The FPM has
been verified to be able to correctly solve the main
electromagnetic scattering between the target object and
the sea surface. The FPM can be further simplified using
the quasi-mirror method, as shown in Fig. 4.

Path 1

Incident wave Incident wave
\ /'Path 3 Path 4
N7 y \5/
X
/

Path 2

/ /
Sea Mirror incident wave ~ Sea

Fig. 4. Simplified four-path model.

According to the idea of the FPM, the composite
scattering of rough sea surface and UAV includes the
scattering electric field Euav of the UAV, the scattering
electric field Esea Of the sea surface and the coupling
scattering Eco between the sea surface and the UAV. The
composite RCS o of rough sea surface and UAV can be
obtained by the hybrid algorithm of the PO method and
the IMLFMA (PO-IMLFMA) based on the FPM, as
shown in the following formula:

O¢ =4z Flzlinoo R? |EUAV + Esea + EcO|2/| Ei |2 ! (29)

where R is the distance from the receiving point to
the scattering source point. Euav is obtained by the
IMLFMA. Esea is obtained by the PO method. It can be
seen from Fig. 4 that the coupled scattering field contains
the scattering contribution of the path 2 - 4. The coupling
scattering between the sea surface and the UAV is:

second second third
Eeo =Eq +Eg +Egs o (30)

second

where Eogs is the secondary coupling scattering of

“UAV-Sea Surface”. ES®™ is the secondary coupling

scattering of “Sea Surface-UAV”. ES® is the third
coupling scattering of “Sea Surface-UAV-Sea Surface”.
As shown in Fig. 4, combined with the quasi-mirror
method, the coupling scattering calculation between
UAYV and sea surface can be further simplified by using
the mirror radar and mirror UAV instead of the reflection
of rough sea surface. A correlation reflection coefficient
Eco is defined to simulate the reflection of sea rough
surface in the calculation:

Eo= rELIJ;V + rELiJI_ASV + r2ELiJI:\I/ ) (31)
where r is the position of the receiving point. Euav is the
scattering electric field of the UAV, the superscripts i'
and s' are the mirror directions of the incident direction
i and scattering direction s, respectively.
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IV. RCS COMPENSATION METHOD FOR
SEA-SKIMMING UAV BASED ON BP
NEURAL NETWORK

In practice, the RCS value of UAV that is not
affected by any interference is what we really need.
However, the RCS of sea-skimming UAV is seriously
affected by the sea conditions. The RCS values measured
directly cannot accurately reflect the actual situation of
UAV. Therefore, a RCS compensation model of sea-
skimming UAV based on BP neural network is presented
in this paper. The relationship between the input factors
and the RCS values of sea-skimming UAV can be
mapped by BP neural network as shown in Fig. 5.

In actual RCS measurements, it is easy to obtain the
direction of incident wave, the azimuth angle, the RCS
value of sea surface and the composite RCS value of
target object and sea surface. Therefore, the input factors
X are expressed by:

X=(6,,01 0401 0,)" (32)
where 6; (°) represents the incident angle, ¢i (°)
represents the azimuth angle of airborne detection radar,
osea (dBsmM) represents the monostatic RCS value of sea
surface and o¢ (dBsm) stands for composite monostatic
RCS value of sea surface and UAV. The number of
neurons in the input layer is 4. The output factor Y is
represented by:

Y =0y » (33)
where ouav (dBsm) represents monostatic RCS value of
sea-skimming UAV. The number of neurons in the
output layer is 1. The number of neurons in the hidden
layer is an empirical range integral value h affected by
the number of neurons in the input and output layers. The
detailed calculation of h is:

h=+5+c, (34)
where ¢ denotes a constant in the interval [0,10], which
the specific value depends on the actual situation.

The BP neural network of sea-skimming UAV is a
small and middle neural network, so one hidden layer is
adopted. The transfer function of the hidden layer is
set to the sigmoid function. The output layer transfer
function of the BP neural network of the sea-skimming
UAV s taken as a linear function. In the process of
forward propagation of BP neural network, the
information is transmitted from the input layer to the
output layer and processed by each layer. The output of
the neural network is:

h le

" :JZ:; exp {—i(a}i,— X +0, )} +1

i=l

+b . (35)

where wi; is the weight between the i-th neuron of the
input layer and the j-th neuron of the hidden layer, and
vjk is the weight between the j-th neuron of the hidden
layer and the k-th neuron of the output layer, 6; is the
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threshold of the j-th neuron in the hidden layer, and by is
the threshold of the output layer neuron.

Input layer Output layer

Hidden layer

Incident angle

Azimuth angle

Monostatic RCS
values of sea surface
and sea-skimming UAV

Monostatic RCS
values of sea surface

Fig. 5. Topological structure of RCS compensation
model for sea- skimming UAV based on BP neural
network.

When the results of output layer do not meet the
requirements of the target, the information is transferred
to the backpropagation state, and the error signal is
returned back along the original path. In this process, the
weights of the neurons in each layer will be modified
sequentially, and the error signal can meet the mean
square error accuracy requirement through repeated
iterations.

The weights and thresholds of the hidden layer and
the output layer are adjusted in a similar way, taking the
output layer as an example here. Assuming that there are
n training samples, and the mean square error of the i-th
training sample is:

1

eZE(U&Avo ~Olay )2’ (36)

where a,,, and o}, are the exact and actual output

values of the neuron for the i-th RCS sample,
respectively. The weights and thresholds of each layer
are adjusted by the Levenberg-Marquardt (L-M)
algorithm. The specific adjustment way of weights is:
W =W, +AW, , (37)

A, =—[ 3T w)I W)+t ] 3T (W), (38)

where wy and W, are the weights before and after the
adjustment of each layer. J is a Jacobi matrix of the error
e with respect to the weight w. x is a scalar factor, and |
is an identity matrix. The L-M algorithm controls the
iteration speed by changing the value of x in the iteration
process of the sea-skimming UAV neural network, so as
to ensure that the calculation speed can be improved
under the condition that the accuracy requirement is met.
The neural network stops training and outputs
weights and thresholds when the global error E of the
trained network satisfies the target requirement or the
training iteration number reaches the maximum iteration
number. The global error E can be expressed as:
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1
2n 4

n
i=1

E= (O'liJAvo ~ Oy )2 - (39)

V. VERIFICATION AND ANALYSIS

The centimeter wave radar is often used to detect
targets in the maritime and aerial field, so the calculation
frequency is generally set above 2 GHz. In this paper, the
incident frequency is set to 3 GHz, and the corresponding
wavelength A = 0.1 m. The electric size of the UAV
is about 71 A. This type of sea-skimming UAV is
an electrically large size object. The excitation source
is approximately plane wave. The azimuth angle of
scattering wave is 0° at the head, and 180° at the tail of
the UAV.

The composite RCS calculation model is obtained
by combining the sea surface model and the sea-
skimming UAV model in different sea conditions, as
shown in Fig. 6. The reference model of the sea surface
is located in the XOY plane, and the relative dielectric
constant of seawater is 81.5. The size of sea surface is
500 2 x 500 4.

This paper mainly studies an extremely low flying
UAYV over the very large size sea surface. The small
range of variation of the flying height of the sea-
skimming UAV has a weak influence on the coupling
scattering, so the influence of a small range of variation
in the flight height can be neglected. The vertical height
h of the center point of the UAV from the sea surface is
setto 15 m.

A. Verification of RCS solution method for UAV and
rough sea surface

In order to verify the solving accuracy, the operation
efficiency and hardware memory requirements of the
PO-IMLFMA method based on the FPM for the
composite RCS of rough sea surface and sea-skimming
UAV, this paper uses the PO-MOM method based on the
FPM and the conventional MLFMA as contrast methods
to solve and analyze the RCS of composite model. When
using the PO-IMLFMA method, the RCS of sea surface
is solved by the PO method and the RCS of UAV is
solved by the IMLFMA. Similarly, the RCS of sea
surface and UAV are solved respectively by the PO
method and the MOM when using the PO-MOM
algorithm. The MLFMA is an accurate method, which
can provide high accuracy for solving RCS values [22].
The incident angle 6; is 40° and the azimuth angle ¢; of
incident wave is 90°, the scattering azimuth angle ¢s is
90°, and the scattering angle 65 ranges from [-90°, 90°].

The calculation results of the composite bistatic
RCS of sea surface and sea-skimming UAV solved
by three algorithms are shown in Fig. 7. The RCS
calculation results of the three algorithms under the
VV polarization and HH polarization are generally



consistent. The calculation results of the PO-IMLFMA
method based on the FPM and the PO-MOM method
based on the FPM are close, and the RCS values at
some scattering angles are smaller than those of the
conventional MLFMA, because the model of rough sea
surface is solved approximately by the PO algorithm.
The accuracy of the hybrid algorithm is limited in
calculating the scattering field of some angles, but the
error is small, and does not affect the overall composite
RCS analysis.

Fig. 6. Composite RCS calculation model of rough sea
surface and sea-skimming UAV.
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Fig. 7. Comparison of the bistatic RCS results for the
composite model of rough sea surface and sea-skimming

UAV calculated by different methods. (a) VV
polarization. (b) HH polarization.

Table 2: Comparison between PO-IMLFMA, PO-MOM
and MLFMA method (VV Polarization)

Method Memory Computing
(MB) Time (s)
PO-IMLFMA 295 768
PO-MOM 751 2963
MLFMA 1765 5687
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The memory requirement and computing time of the
three methods in the VV polarization are compared as
shown in Table 2. It is obvious from the data in the table
that the memory required by the two hybrid algorithms
is much less than that of the MLFMA, and the
computational efficiency is much higher than the
MLFMA. Compared with the PO-MOM method, the
PO-IMLFMA method saves more memory space and
less computation time. This is due to the fact that the
memory consumption and computational complexity of
the IMLFMA are lower than those of the MOM when
calculating the composite model RCS for UAV area
alone, which leads to lower memory consumption and
higher computational efficiency when using the PO-
IMLFMA hybrid algorithm. The results verify that the
hybrid algorithm of the PO-IMLFMA method based
on FPM can effectively and efficiently analyze the
composite RCS of sea-skimming UAV under different
sea conditions.

B. RCS compensation of sea-skimming UAV under
different sea conditions

The RCS compensation model topology of sea-
skimming UAV in Fig. 5 is adopted. In order to ensure
the generality of training samples and combine the actual
situation of monostatic RCS of sea-skimming UAV, the
range of incident angle 6; is [10°,80°], and the interval is
10°, the range of azimuth angle ¢; is [0,360°], and the
interval is 5°. The composite monostatic RCS samples o
of BP neural network are obtained by PO-IMLFMA
method proposed above. The monostatic RCS value
osea OF Sea surface and the monostatic RCS value ouav
of UAV are calculated by the PO method and the
IMLFMA, respectively. The detailed relationships are
shown in Fig. 8. The number of training samples under
the 1-scale, 3-scale and 5-scale sea conditions is 1752
(3x8x73) groups. The maximum number of iterations is
set to 100. The data of some training samples is shown
in Table 3. The number of the hidden layer h is 9. The
RCS compensation model of sea-skimming UAV based
on BP neural network can be obtained after training the
sample data of sea-skimming UAV.

On the platform of VV polarized airborne radar, the
RCS compensation model of sea-skimming UAV based
on BP neural network is used to compensate the
monostatic RCS under the 1-scale, 3-scale and 5-scale
sea conditions. To verify the validity of the compensation
model, the incident angle and azimuth angle data of the
selected test samples are different from the training
samples. The incident angles are 65°, 45° and 25°. The
range of azimuth angle is [0,360°], and the interval is 1°.
The RCS compensation results of sea-skimming UAV
under the 1-scale, 3-scale and 5-scale sea conditions are
shown in Fig. 9, Fig. 10 and Fig. 11, respectively. The
uncompensated result stands for the monostatic RCS
values of the sea-skimming UAV affected by sea
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conditions. The expected value stand for the RCS of sea-
skimming UAV under the same detection conditions.
The compensated result stand for the monostatic RCS
of sea-skimming UAV generated by the compensation
network. It can be seen from Figs. 9-11 that the overlap
ratio of compensation results and the expected values of
different sea conditions is higher when the incident angle
is 65° and 45°. However, the overlap ratio of curves
decreases obviously when the incident angle is 25°. This
is due to the fact that the detection radius of UAV
detected by airborne radar at low incident angle is small
at the same altitude, and the variation of RCS with the
azimuth angle is not obvious. The smaller the incident
angle is, the closer the detection direction is to vertical
overlooking, and the contribution of sea surface
scattering is stronger. The scattering characteristics of
UAV are almost completely covered up by the sea
surface when the incident angle is small.

PO-IMLFMA—=—=_="" PO

IMLFMA

Fig. 8. Relation diagram of training samples and its
solution algorithms.

Input layer

Output layer

Table 3: Part of the training samples

Number | 6i 0i oc Osea OUAV
) | ® | (dBsm) | (dBsm) | (dBsm)
1 10 0 24.59 19.88 19.06
2 10 0 19.69 18.32 19.06
3 10 0 28.25 26.18 19.06
4 10 5 23.22 17.52 9.75
5 10 | 10 | 15.16 13.73 10.29
6 10 | 15 | 12.33 14.67 2.17
7 10 | 20 | 21.16 18.50 -1.17
8 20 0 30.48 28.15 -8.99
9 30 0 18.27 -1.50 -0.27
10 40 0 20.25 20.01 -6.33
11 50 0 19.36 18.21 -3.79
12 60 0 13.47 14.90 0.37

The mean values of the three cases are shown in
Table 4. The compensation error under the 1-scale sea
condition is less than 0.95 dBsm, under the 3-scale sea
condition is less than 0.41 dBsm, and under the 5-scale
sea condition is less than 1.94 dBsm. The compensation
error denotes the difference between expected value and
compensated value. Compared with the uncompensated
value, the mean error of the compensated result is
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smaller, which verifies the effectiveness of the RCS
compensation scheme of the sea-skimming UAV based
on BP neural network.

30 ¢ |
—a— uncompensated —e— compensated —e— expected

™0 30 60 90 120 150 180 210 240 270 300 330 360

a0l + uric_ompensate_d —o— c_ompe_nsated —- expef_:ted |
0 30 60 90 120 150 180 210 240 270 300 330 360

(b)

—e— compensated

—a— uncompensated —e— expected

0 30 60 90 120 150 180 210 240 270 300 330 360

(©

Fig. 9. Monostatic RCS compensation results of sea-
skimming UAV under 1-scale sea condition. (a) Incident
angle 65°. (b) Incident angle 45°. (c) Incident angle 25°.

The BP neural network compensation model can
significantly reduce the impact of sea conditions on the
overall RCS of the sea-skimming UAV, but it is difficult
to accurately obtain the scattering characteristics of
the sea-skimming UAV with the azimuth variation.
Actually, the general airborne radar is far away from the
sea-skimming UAV, and the radar wave has a large
incident angle. Therefore, the compensation model
can be employed to most cases, and the error after
compensation is insignificant, which can effectively
obtain the RCS indicating the electromagnetic scattering
characteristics of sea-skimming UAV.

In the actual environment, the RCS value of the
UAV can be obtained by compensation algorithm, which
can help the relevant personnel directly and effectively
analyze the detected characteristics of the flying object,
such as aircraft type. This compensation algorithm has a
broader application space in the field of military anti-
reconnaissance.
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Table 4: RCS compensation result of sea-skimming UAV considering sea conditions

Scale | Angle | Uncompensated (dBsm) Compensated (dBsm) Expected (dBsm) | Error (dBsm)
65° -6.51 -8.45 -7.50 0.95
1 45° -0.94 -6.51 -7.14 -0.63
25° 4.15 -0.85 -1.53 -0.68
65° 17.71 -7.91 -7.50 0.41
3 45° 19.54 -6.74 -7.14 -0.4
25° 20.84 -1.13 -1.53 -0.4
65° 10.81 -8.71 -7.50 1.21
5 45° 15.07 -7.06 -7.14 -0.08
25° 19.50 -3.47 -1.53 1.94
50— - ; | the PO-IMLFMA method based on the application of

PO method and IMLFMA method for solving the RCS
of the composite model based on the FPM is proposed.
Compared with the IMLFMA and the PO-MOM, the
PO-IMLFMA has the advantages of less memory
consumption (about 295 MB) and faster solution speed
(about 768 s) for solving the composite model.
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Fig. 10. Monostatic RCS compensation results of sea-
skimming UAV under 3-scale sea condition. (a) Incident
angle 65°. (b) Incident angle 45°. (c) Incident angle 25°.

VI. CONCLUSION
The far field RCS of the sea-skimming UAV and

rough sea surface is studied in this paper. A rough sea
surface model is established by using the PM spectrum
and Monte Carlo method, and a fast algorithm for the sea
surface RCS based on the PO method is applied. Then, a
composite model of rough sea surface and the sea-
skimming UAV is established, and a hybrid algorithm of

0 30 60 90 120 150 180. 210 240 270 300 330 360

(©)

Fig. 11. Monostatic RCS compensation results of sea-
skimming UAV under 5-scale condition. (a) Incident
angle 65°. (b) Incident angle 45°. (c) Incident angle 25°.
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In addition, in view of the influence of rough
sea surface on the RCS values of UAV, the RCS
compensation scheme of UAV based on BP neural
network is proposed. Moreover, the efficiency of BP
neural network compensation scheme is verified by an
example analysis. The compensation results demonstrate
that the compensation errors under the 1-scale, 3-scale
and 5-scale sea conditions are less than 0.95 dBsm,
0.41 dBsm and 1.94 dBsm respectively, namely the
compensation scheme significantly reduces the influence
of sea conditions.
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Abstract — A novel method to reduce antenna radar cross
section (RCS) is proposed in this paper. A wideband
Vivaldi antenna is adopted for demonstration, the shape
of which is optimized by the differential evolution
algorithm (DEA) under Python and HFSS co-simulation
environment. By utilizing this simple and efficient
design approach, no additional structure is required for
RCS reduction while other electromagnetic performance
of the antenna can be well maintained. Results show that
the designed Vivaldi antenna achieves a good RCS
reduction from 4 GHz to 9 GHz, validating the possibility
and feasibility of this method for further radar target
application.

Index Terms — Differential evolution algorithm (DEA),
radar cross section (RCS) reduction, Vivaldi antenna.

I. INTRODUCTION

With the development of detection technology
and stealth technology, the radar cross section (RCS)
reduction of the antenna is undoubtedly of great military
significance. RCS is a physical indicator that
quantitatively describes the effective scattering area of
the incident wave from a certain direction. Obviously,
different kinds of antennas have different RCS response
[1]-[7]. Vivaldi antenna, as a typical ultra-wideband
(UWB) antenna, is often used in the military field due
to its advantages of good directivity, wide frequency
band and high gain. Therefore, to enhance its practical
versatility in practical application, it is of significance to
reduce the Vivaldi antenna’s RCS.

The RCS reduction of Vivaldi antenna has been
studied in many literatures. Basically, reducing the RCS
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of Vivaldi antenna can be categorized to two groups.
One is to load specially-designed structures on the
Vivaldi antenna to achieve antenna RCS reduction. In
[8], ultrathin microwave-absorbing materials (MAMS)
are placed at the side edges of a Vivaldi antenna, which
can absorb the reverse currents at the outer side edges so
that the RCS can be reduced. A half-mode substrate
integrated waveguide (SIW) structure proposed in [9] is
used in antenna design for RCS reduction while a phase-
switched screen (PSS) is designed for the same purpose
in [10]. In addition, a photonic band gap (PBG) structure
is applied to a bilateral Vivaldi antenna to realize
antenna’s RCS reduction [11].

The other group is to modify the shape of the
Vivaldi antenna so as to achieve low RCS response.
In [12], an antipodal Vivaldi antenna with low RCS
characteristic is demonstrated, which is realized by
removing a portion of the metal from the antenna and
placing periodic slots near the edges of the radiating
element. Vivaldi antennas are modified in [13] by three
pairs of arcs to realize wideband RCS reduction. In [14],
an approach to implement annular slot along with
exponential curves in the antenna is proposed to achieve
RCS reduction. Moreover, a flat corrugated slotline is
designed in [15] to replace the exponential gradient
curve of antenna, which results in RCS reduction when
the incident wave is perpendicular to the antenna.

However, regarding to the approaches of either
introducing extra structures or modifying the shape of
the antennas, all of these above-mentioned design
methods still have to take a long and customized
simulation process, which is not a universal methodology
for RCS reduction. Therefore, it is necessary to have a
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new and highly efficient method so that researchers can
specify design goals and then use an optimization tool to
find and select the most reasonable result and obtain the
desired performance. From the mathematical point of
view, the optimization method should be a fast way to
find extreme values, i.e., under the constraints of a set of
equations or inequalities, the system's objective function
reaches its extreme value of maximum or minimum.

In this paper, in order to alleviate the aforementioned
problems, a low RCS Vivaldi antenna is designed by a
highly efficient optimization method. The co-simulation
of the commercial electromagnetic tool, HFSS, and
Python program is adopted, and the differential evolution
algorithm (DEA) is utilized to find the optimal antenna
pattern that satisfies both radiation and scattering
requirements.

I1. PRINCIPLE OF DEA METHOD

The DEA is a random parallel direct search algorithm
proposed by Storm Rainer and Price Kenneth in 1995
[16]. It has the characteristics of simple operation and
global search, which not only can avoid the shortcomings
of classic and local optimization methods such as low
convergence accuracy and easy convergence to local
extreme values, but also has been successfully applied to
complex electromagnetic optimization problems such as
array synthesis and filter design. In this work, the DEA
is applied to the RCS reduction of the antenna for the
first time. Figure 1 shows the flowchart of optimizing the
RCS of Vivaldi antenna with DEA method.

In this paper, Vivaldi antenna is separated into small
rectangles, and low RCS Vivaldi antenna is obtained by
controlling the presence or absence of the rectangles in
each position. Each column of the Vivaldi antenna is
considered as a variable. Before the optimization, the
number of rectangles (denoted as N) contained in each
column of the Vivaldi antenna needs to be calculated.
For each variable, the value ranges from 0 to 2N-1. When
the Vivaldi antenna is optimized by the DEA, the
individuals of population number are randomly generated
to form the first generation population, and then the
HFSS software is called by Python script, where the
antenna model is simulated by Finite Element Method
(FEM) to realize the calculation of antenna radiation and
scattering characteristics and then each individual fitness
value can be obtained. The fitness function here is the
RCS of the antenna. The fitness value will be compared
with the target value afterwards. Once the fitness value
is less than the target value, the optimal pattern of the
low RCS Vivaldi antenna can be obtained. Otherwise,
mutation and crossover operations are then performed to
obtain crossover individual. Next, the target individual is
compared with the crossover individual. If the fitness
value calculated by the crossover individual is less than
the fitness value calculated by the target individual, the
crossover individual is inherited to the next generation.
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Otherwise, the target individual will be given to the next
generation. This is going to repeat until the fitness value
is less than the target value or the number of iterations
reaches the specified maximum number of iterations, the
whole optimization process will be terminated.
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[ Pre-processing |

[ Initialize population
e J

HFSS software 1s called by Python script
to build antenna model
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Fig. 1. Flowchart of DEA method for Vivaldi antenna
RCS reduction.
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Fig. 2. Geometry of the reference Vivaldi antenna.

Fig. 3. Surface radiating current of the reference Vivaldi
antenna at: (a) 4.5 GHz and (b) 8.5 GHz.

It is worth noting that for the design of low
RCS Vivaldi antenna, both radiation and scattering
characteristics must be taken into account. Therefore, as
long as the reflection coefficient of the Vivaldi antenna
is less than -10 dB, a series of subsequent steps such as
the comparison between the fitness value and the target
value would be performed.



111. DESIGN AND DISCUSSION OF LOW
RCS VIVALDI ANTENNA

A. Low RCS Vivaldi antenna design

In order to illustrate the RCS reduction effect, a
conventional Vivaldi antenna is taken as the reference
antenna, and its geometry is shown in Fig. 2. It can be
known that the Vivaldi antenna is composed of a stepped
microstrip feeding line and a radiating tapered slot.

B

Ws

Fig. 4. Geometry of the proposed Vivaldi antenna.

The surface radiating current distributions of the
reference antenna at 4.5 GHz and 8.5 GHz are shown in
Fig. 3, which can be observed that the radiating current
of the Vivaldi antenna is mainly concentrated on both
sides of the tapered slot and the microstrip line, so DEA
method can be applied to optimize the remaining part
of the Vivaldi antenna with relatively weak radiating
current, which can in turn help reduce the antenna’s
RCS. The proposed antenna optimized by DEA method
is shown in Fig. 4. Both antennas are printed on Rogers
5880 substrate with dielectric constant of 2.2, loss tangent
of 0.0009 and thickness of 0.508 mm. The detailed
dimensions of the proposed antenna are shown in Table 1.

Table 1: Parameters of the proposed Vivaldi antenna

Parameter | Value Parameter | Value
w 80 mm Wa 2 mm

| 120 mm Ws 20 mm
h 0.508 mm d; 38 mm
W1 60 mm hy 2 mm
Wo 1.65 mm r 7.8 mm
W3 2 mm 6 80°

B. Radiation performance

In order to verify the radiation characteristics of
the proposed antenna, the VSWRSs, maximum radiation
gains, and radiation patterns of the reference antenna and
the proposed antenna are discussed in this section.
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The simulated VSWRs and gains are depicted in Fig.

5. It can be seen that the VSWR of the proposed antenna
is less than 2 in the frequency range of 4~9 GHz, which
is similar to that of the reference antenna. By observing
the gain response in Fig. 5, it can be found that the
gain of the proposed antenna is slightly lower than
the reference antenna but within an acceptable range,
the phenomenon of which can be understood that the
effective radiation aperture of the proposed antenna is
slightly smaller than the reference antenna.

The E-plane and H-plane normalized radiation
patterns of the two antennas at 4.5 GHz and 8.5 GHz are
plotted in Fig. 6, from which one can observe that the
proposed antenna has comparable radiation performance
as the reference one.
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Fig. 5. Simulated VSWRs and gains of the reference and
the proposed antennas.
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Fig. 6. Radiation patterns of the reference and the
proposed antennas at: (a) 4.5 GHz and (b) 8.5 GHz.
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C. Scattering performance

In order to evaluate the scattering characteristics of
the proposed antenna, planar incident wave is uniformly
illuminated on the antenna surface, and the monostatic
RCS at different incident angles can be calculated in
HFSS when the incident wave is #-polarized. According
to Fig. 7 (a), when the incident wave is perpendicular
to the Vivaldi antenna, i.e., ¢ = 0°and 8= 0° the
monostatic RCS of the proposed antenna in the whole
frequency band is significantly reduced compared with
the reference antenna. In particular, the monostatic RCS
of the proposed antenna is reduced by 5.24 dB at 5.5 GHz.
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Fig. 7. Simulated monostatic RCS at different incident
angles: (@) ¢ = 0°, 6= 0° (b) ¢ = 0°, 0= 60° (c) ¢ =
90°, 6=60°.
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Figures 7 (b) and (c) show the monostatic RCS
performance when the angle of incident wave 6
increases to 60°. It can be seen that, though the incident
direction varies to a large angle, the monostatic RCS
reduction of the proposed antenna can still maintain in a
satisfactory range in most frequency bands of 4~9 GHz.
Especially, when ¢ = 0°and 8= 60°, the monostatic RCS
of the proposed antenna can be reduced more than 6 dB
in the band of 4.75~6.2 GHz; and at 4.85 GHz, 14.4 dB
RCS reduction is achieved. At the case of ¢ = 90°
and 6= 60°, the proposed antenna obtains more than 6.5
dB RCS reduction in both 5.8~6.2 GHz and 7.25~8.05
GHz bands, particularly 11 dB RCS reduction is achieved
at 6 GHz. Therefore, it can be concluded that the average
monostatic RCS of the proposed antenna in the whole
frequency band is much lower than that of the reference
antenna while the proposed one still possesses other
good radiation performance similar to the reference one.

1V. CONCLUSION

A low RCS Vivaldi antenna for UWB
communication system application is proposed in this
paper. Numerical results show that satisfactory radiation
performance of the proposed antenna has been obtained.
Compared with the reference antenna, the operational
bandwidth of the proposed antenna can cover a wide
range from 4 GHz to 9 GHz with VSWR less than 2,
while its radiation patterns still maintain directional
performance. The scattering characteristics when the
incident wave is #-polarized are also analyzed. Results
show that when the incident wave is perpendicular to the
antenna, the monostatic RCS of the proposed antenna
has been reduced in the whole frequency band,
particularly when the incident wave angle increases to
60°, the monostatic RCS still maintain a good reduction
in most frequencies of 4~9 GHz.
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Abstract — Unregistered flight of Unmanned Aerial
Vehicle (UAV) has been a severe challenge to the
security of low-altitude airspace. Illegal elements may
use UAV to carry dangerous goods or steal privacy.
More and more conferences and large-scale activities
pay attention to the security and privacy of the air
defense. This paper focuses on two kinds of UAV
interference solutions, traditional full-band suppression
and targeted spectrum suppression. Experiments show
that the target spectrum suppression scheme can reduce
4.61dB transmission power compared with traditional
full-band suppression for a certain UAV at the same
attack distance. The novelty of paper is that we use
artificial intelligence method to analyze the spectrum of
UAYV signal and the new scheme can reduce power
transmission by more than half at the same attack
distance. This paper also carry out comparative
experiments on different types of UAVSs, demonstrating
its excellent performance. In addition, for some WiFi
UAVs, this paper can even steal their password to
acquire the UAVS' control.

Index Terms — Control password, low transmission
power, targeted spectrum suppression, traditional full-
band suppression, Unmanned Aerial Vehicle (UAV).

I. INTRODUCTION

The number of civilian UAVs had grown
tremendously in the past years. There is a huge potential
that UAV offers in as far as revolutionizing approaches
to handling tasks that require precision, accuracy and
risk are concerned. As a result, there is a growing
application of UAV in running recreational and
commercial tasks. "Aerial photography", for instance,
has gradually become a trend in society. Policies and
guidelines exist on the registration and operational
conduct of UAV for commercial purposes. However,
there is lack of complete and rigorous management
practices for civilian UAV, and most consumers do not
receive any professional training [1-2].

The security control of large-scale activities is
becoming more and more strict. Therefore, the anti-UAV
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technology is becoming more critical. UAV poses a
threat to the security of society. Implementing mandatory
dispersal ways is necessary. Based on the analysis of the
existing UAYV interference technology and its application
status, this paper proposed traditional full-band
suppression and targeted spectrum suppression methods.
The full-band suppression interference is based on
frequency sweeping. The targeted spectrum suppression
interference is based on spectrum analysis. Both methods
could suppress UAV communication signal by high-
power noise signal. In this paper, a certain UAV is
experimentally validated and the advantages and
disadvantages are compared [3-4].

1. OVERVIEW OF UAV JAMMING
TECHNOLOGY

Given the difficulty in regulating the airspace for
unregistered and unexpected UAV, the remaining
approach is to jam the signal communication so as to
disable pesky ones. To understand how unregistered
UAV can be stopped from accessing the airspace, we
first need to understand their functioning. UAVs are
piloted via RF technology and two frequency bands exist
which assist in their communications: the 2.4GHz and
the 5.8 GHz. Devices such as UAV represent modem
application of tight frequency reuse and adaptive
modulation. Using their communications technology,
some expensive UAVs can easily control from far away
and perform video recording functions. Even some
UAVs can carry light dangerous items and Fig. 1 shows
the dangerous UAV captured by military [5-7]. The

following will introduce the interference methods.

A. Traditional full-band suppression interference

UAV suppression interference entails sending out
noise interference signals on the target frequency
band. Civilian UAV operates within known bands, if
experimentally interrupted, the communication in this
frequency band will interfere, and therefore the electronic
device will not work correctly. In this design, the
spectrum suppression signal is directly generated by
frequency sweeping.
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Fig. 1. Hazardous UAV.

Firstly, the traditional scheme is introduced. In the
wide spectrum range, the signal jamming transmitter
generates a periodic linear frequency sweep interference
signal in a certain way. Therefore, the bit error rate of
UAV communication receiver increases or even
saturates directly. The UAV will disconnect with the
remote controller and not able work properly. A
communication breakdown between the device pilot and
the device will make it impossible for the device to
operate and to make any significant exploration of the
airspace. This way, any targeted UAV can be eliminated
from the airspace and only registered ones can operate.

B. Targeted spectrum suppression interference

The previous method requires a lot of transmission
power, but the targeted spectrum scheme is a new
scheme which can reduce unnecessary energy loss.
This scheme is also the core innovation of this paper.
The targeted spectrum interference adopts an idea of
"interception-analysis-interference". Above all, this project
needs to intercept the UAV communication signal, then
analyze and process the UAV communication signal to
get the signal communication frequency point, and
finally suppress the UAV by transmitting the targeted
frequency signal. Targeted spectrum suppression can
theoretically saturate the UAV receiver efficiently, thus
reducing the ability of the receiver to process normal
signals and ultimately cutting off the communication of
the target UAV.

In the case of losing the control signal, the UAV will
return, hover or make a forced landing according to the
original program, and ultimately achieve the purpose of
intercepting the UAV.

I11. DESIGN SCHEME

A. Overall design
The ultimate goal of both UAV interference plans
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is blocking the UAV receiver and paralyzing the
coordination which would result in the successful
piloting of the device illegally over an airspace. The Full-
band suppression interference is based on the frequency
sweeping method to spread the noise signal over a
wider frequency band, and need not know the specific
frequency. With the high-power interference transmitter,
the interference can be performed within the
communication band of the UAV. Targeted spectrum
suppression interference takes the software radio
technology as the core to form the frequency
reconfigurable UAV interference platform. This platform
can intercept the spectrum of the UAV communication
signal, and analyze the communication frequency point
to carry out targeted interference [8-10].

UAV communication signal includes control signal
and image transmission signal, which can be in 2.4 GHz
band or 5.8 GHz band. Due to the similarity between the
2.4 GHz band and the 5.8 GHz band, this paper takes
the 2.4 GHz band as an example for specific analysis.
Both plans block the UAV receiver by transmitting high-
power suppression signals. The power amplifier and the
antenna are the same except for the signal source. The
whole system is shown in Fig. 2.

2.4GHz 5.8GHz
Antenna Antenna
3 3
2.4GHz 5.8GHz
Jamming Jamming
Signal source Signal source

A A

Signal control module

Fig. 2. The block diagram of whole system.

B. Design of traditional
interference

The full-band suppression interference design
consists of a sawtooth signal source, a voltage-controlled
oscillator (VCO), a driver amplifier, and a power
amplifier. The sawtooth signal is provided by the Agilent
33600A waveform generator. A sawtooth/triangle signal
also could be generated by either a microcontroller or
two operational amplifiers circuity. The waveform
generator control VCO generates the frequency sweeping
signal in the 2.4GHz~2.47GHz frequency band. VCO

full-band suppression
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selects chip MVVE2400 and power amplifier selects chip
SKY65135.

C. Design of targeted
interference

Targeted spectrum suppression interference is based
on software radio and select USRP platform to design.
The USRP is consisted of a Xilinx Kintex-7 FPGA and
the AD9361, whose transmit frequency up to 6 GHz.
Based on the Linux system, the USRP is used as the
RF signal sources. USRP analyzes the spectrum of the
UAYV to obtain the frequency hopping frequency of
the UAV communication signal and generates targeted
suppression signals for these frequencies. By controlling
and adjusting the RF parameters of USRP on the Linux
system, the noise signal is transmitted through the power
amplifier to block the UAV communication receiver,
causing the UAV to be disconnected from the remote
controller.

spectrum  suppression

IV. EXPERIMENTAL RESULTS AND
DISCUSSION

A. Module signal generation

The full-band suppressed interference signal

module is connected to the spectrum analyzer, and the
interference signal is observed to be distributed from 2.4
GHz to 2.47 GHz, and the power is about -1.56 dBm.
The test result is shown in Fig. 3.
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Fig. 3. Full-band suppressed spectrogram.

In this article, we chose DJI GO as the experimental
object. DJI GO is a universal RF-controlled UAV that
sells for about $1,500 in online mall. The specific
parameters of the specific UAV can be found on the
official website. The picture of DJI GO is shown in Fig. 4.
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Fig. 4. DJI GO.

DJI GO communicates based on OFDM, which is an
orthogonal frequency division multiplexing technology
and a Multi-carrier modulation (MCM) technology. The
basic idea of MCM technology is to convert the serial
data stream to parallel data stream by decomposition,
and then modulate these parallel data stream to several
carriers of different frequencies. The targeted spectrum
suppression interference scheme needs to know the
hopping frequency point of the UAV communication
signal [11]. Above all, receive the transmission signal
from the UAV remote controller and then the signal is
connected to the USRP platform. The communication
signal of a certain UAV is analyzed to obtain the
spectrum data, as shown in Fig. 5. It can be seen from
the figure that the communication frequencies of UAV
are constantly changing.
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Fig. 5. Spectrum of UAV Communication Signal.

In this paper, we use the Long Short Term Memory
model (LSTM) to recognize the frequency hopping
sequence of UAV. The network structure schematic and
network parameter model of long short term memory
model are shown in Fig. 6.
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The spectrum difference of UAV communication
signal is used as the feature of signal, so feature
extraction is to transform the time domain data of UAV
communication signal into frequency domain data.
Formula transformation is expressed as (1):

X(k):NZ_lx(n)e e (k=012---,N-1), (1)

The formula for calculating the neuron cell structure
of LSTM neural network can be expressed as follows:

ht = f(\NxhXt +Whhxt—1+b ) 5
Y, =W, h, +b, 2)

hy" 't

For the given time series X, , using the RNN model,
equations (1) can be used to calculate h, and the output
sequence Y, . In the formula, W represents the weight
coefficient matrix, b represents the offset vector, and
f represents the activation function.

Using the LSTM model to train the drone signal, the
project can get the accuracy rate and loss value with the

training rounds [12]. The loss function can be expressed
as the formula (3):
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The LSTM model originally used the gradient
descent method to optimize the neural network, but if the
amount of data is large or the structure of the network is
more complicated, the operation will take more time. In
order to accelerate the analysis of loss value, this paper
finally adopted Stochastic Gradient Descent method.
This method can quickly complete the processing of
UAV signals, and the formula is shown in (4):

W =w (L, - (W) X™)X" 4)

The LSTM model test results are shown in Fig. 7.
The accuracy rate increases with the number of training
rounds, and the accuracy rate gradually approaches
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100%. At the beginning, the loss value will slightly jitter
up and down, but similar to the accuracy rate, the loss
value eventually approaches 0. In addition, the project
also uses different signal-to-noise ratio signals for
artificial intelligence recognition, which can obtain
the accuracy curve with different signal-to-noise ratio
signals.
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Fig. 7. LTSM training process.

The change of signal-to-noise ratio has a certain
impact on the accuracy of UAV signal recognition. With
the increase of signal-to-noise ratio, the accuracy has a
trend to improve, but the improvement is actually small.
It can be seen from the figure that the SNR increases
from 2dB to 20dB, and the recognition rate increases
by about 2.5%, so the recognizer has certain anti-
interference ability Power.

By further analyzing the spectrum data of the
UAV communication signal received once, the hopping
frequency points of the signal spectrum can be obtained.
The hopping frequency signal has 28 points, the hopping
interval is 14ms, the frequency point bandwidth is
1.2MHz, and the spectrum range is 2404MHz~2470MHz.
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USRP generates a targeted spectrum suppression signal
with this data, the frequency hopping sequence and point
is shown in Table 1 and Fig. 8.

Table 1: Frequency hopping point

Hopping |, 2 3 4 5 6
Sequence

Frequency
hopping
point
Hopping
Sequence
Frequency
hopping
point
SHOPP'”Q 13 | 14 | 15 | 16 | 17 | 18
equence
Frequency
hopping
point
CoPPINg | 19 | 20 | 21 | 2 | 23 | 2
equence
Frequency
hopping
point
Frequency
hopping 25 26 27 28
point
Hopping
Sequence

2424 | 2470 | 2448 |2425.8| 2404 | 2456

2428 |2405.8| 2452 | 2430 | 2408 | 2454

2431.8| 2412 | 2458 | 2436 | 2414 | 2460

2437.8| 2416 | 2464 | 2442 | 2420 | 2466

2468 |2445.8
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Fig. 8. Targeted Spectrogram.

B. Experiment and comparison of jamming UAV
The traditional full-band suppressed interference
output signal is in the 2.4GHz~2.47GHz band and connect
the signal source to the power meter to measure its
average output power is -0.86dBm, as shown in Fig. 9.
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—(0. 30 dBm

Fig. 9. Full-band suppressed output average power.

The full-band suppressed signal source is connected
to the power amplifier, with an average output gain of
36dB. The antenna is a well-directed Yagi antenna with
a gain of 15 dBi. What’s more, the remote controller
is 50 meters away from the UAV and ensures that the
remote controller is not affected by interference signals.
The schematic diagram of the experimental test is shown
in the Fig. 10.

T
® ﬂwww\ﬁ Disconnetion

v

Distance
[ ]

Signal
source

Fig. 10. Schematic diagram of the experiment.

Experiments show that the maximum distance of
full-band suppression interference attack UAV can reach
380 meters. Replacing high power amplifier and high
gain antenna can increase the attack distance.

Next, experiments are carried out on the targeted
spectrum suppression jamming scheme. The average
output power of the targeted spectrum interference signal
source is set the same as the full-band suppression
interference signal source, which is about -0.86 dBm.

When the transmit power is similar, targeted
spectrum suppression interference scheme can attack
UAV up to 670 meters. The critical point of test result
is that the UAV remote controller changes from weak
signal state to unconnected aircraft state. At this time,
UAV communication receiver is blocked and cannot
receive control and image transmission signals. The
unconnected state of the aircraft is shown in Fig. 11.
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Fig. 11. The state of UAV being disconnected.

The average output power of the targeted spectrum
suppressed signal source is set as a variable and the
standard is 0.86 dBm. The experiment measures when
the average output power is reduced by 3 dB and the
attack distances of the two schemes are the same. The
test results is shown in Table 2.

Table 2: Experimental results of targeted spectrum
suppression

Average Power of
Signal Source/dBm 086 | -383 | 547
Attack distance/m 670 500 380

WEI, WANG, SHI, LIANG: RESEARCH AND EXPERIMENTS ON ANTI-UAV TECHNOLOGY

In addition, data acquisition and attack experiments
of other types of UAVs are also carried out. For the DJI
GO series UAVSs, the power consumption can be saved
to varying degrees by suppressing attacks. The following
is a data acquisition chart of different series of UAVS, as
shown in Fig. 13.

—5H. 47 dBm

Fig. 12. Targeted spectrum suppression output average

FFT Plot -~

\\\\\

What should be emphasized in this table is that the
signal source does not include the power amplifier. The
power amplifier and antenna uses the same modules and
have the same gain as the previous experiment.

Free space loss describes the energy loss when
electromagnetic waves propagate in air. The free space
loss formula is expressed as follows:

Ls =20Ig(F)+20lg(D)+32.4 (4)
Pr=Pt+Gt-Ls+Gr

F is the frequency, D is the distance, Pt is the
transmit power, Gt is the transmit antenna gain, Ls is the
free space loss, and Gr is the receive antenna gain. In this
paper, the control variable only modifies P in the design
process, and the other influences are the same.

According to the free transmission loss formula,
when other factors are determined, the transmitting power
is the most important factor affecting the attack distance
of UAV [13-14]. On the basis of the test results, with
the same power amplifier and Yagi antenna, the attack
distance of the targeted spectrum suppression scheme is
approximately 1.76 times that of the full-band suppression
scheme. At the same attack distance, the average output
power of the targeted spectrum suppression scheme is
reduced by approximately 4.61 dB. The average output
power is -5.47dBm, as shown in Fig. 12.

Through the above experimental tests, it is proved
that the targeted spectrum suppression scheme has
superior performance compared with the traditional full-
band suppression scheme.

FET Plot - -

[

v
FFT Plot -

——

Fig. 13. DJI GO Series UAVs Signal Data.

The project carries out comparative experiments for
different series of UAVs. By using neural network to
analyze the UAV OFDM data signal and suppress the
UAV OFDM signal in real time. In the experiments of
different series of UAVS, the experimental results of the
project are similar to the above table data. Under the
same attack distance, the power consumption is saved
about 4.6dB or the same transmit power, the attack
distance is about 1.7 times.

In addition, the project also studies the WiFi-
controlled UAV with the scheme of De-authentication
Flood Attack. Some UAVs can even decipher WiFi
passwords to gain control of the UAV. By sending forged
cancellation authentication frames, De-authentication
Flood attack makes the access point mistakenly think
that the client wants to disconnect from it, and then the
WiFi type UAV is out of control. Attack experiments for
WiFi UAV are shown in Fig. 14.

516



517

:60]

:35 ]

) to broadcast 1F:B2:35:60]

[00:00:11] 498602/7120715 keys tested (4058.21 k/s)

Time left: 29 minutes, 2 seconds

KEY FOUND! [ 199312061b ]

: 6B 64 CC 90 45 80 39 FC 36 3A A6 1F F6 DA 92 EA
5F 4D A6 62 4D C4 60 7D 57 40 74 D7 DD 38 2E F3

Master Key

: FE A1 9D 61 80 53 CD 60 7E BE 84 22 1D 4A 9F B6
3A CC 83 40 D8 1C 00 D7 E9 76 83 27 B4 89 FD DF
83 70 CC 1B Bl B2 47 F7 7C E8 FE 04 E0 30 1E Cl
60 25 DB FO 5C 1C 38 5D 42 A8 22 A9 08 59 F1 CF

Transient Key

EAPOL HMAC : 86 BO 97 97 78 DD F4 98 9A 72 04 85 1F D2 FC C7

D Adti

S8 N/A

Fig. 14. Attack experiment process of WiFi UAV.

V. CONCLUSION

The Unregistered flight of UAV poses a serious
threat to the security work in large-scale events. Whereas
there is widespread adoption of UAV in recreational
activities, there is record of inappropriate use of UAV to
access highly sensitive information areas. Besides their
size, the fact that UAV are remotely piloted provides
a certain anonymity that can breed insecurity and
inappropriate use of airspace. This paper proposes two
solutions to this problem, traditional full-band suppression
and targeted spectrum suppression. The experiments
show that traditional full-band suppression scheme
consumes more energy and has a shorter attack distance.
In order to solve this problem, this paper proposes a
targeted spectrum suppression scheme, and the novelty
of this scheme lies in that the targeted spectrum

ACES JOURNAL, Vol. 35, No. 5, May 2020

suppression scheme can reduce the average output power
by 4.61dB or can attack longer distances, which has a
very good application prospect [15-18]. This experiment
has tested other common UAVs on the market, and the
experimental results are in line with expectations. For
some WiFi UAVSs, this experiment can even get their
control passwords. This paper provides a new direction
for the design of anti-UAV jammers and electromagnetic
countermeasure system.
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Abstract — A novel multilayer substrate integrated
waveguide (SIW) filtering crossover is proposed based
on the orthogonal degenerate modes in SIW rectangular
cavities (SIRCs). The degeneracy of dual-mode in
multilayer SIRCs is used to realize the cross transmission
and the orthogonality of the two modes is utilized to
achieve the isolation relying on the four coupling slots
located on metal layers. E-field distributions of the SIW
cavities at TE102 and TE201 modes are studied for guiding
the circuit realization. And then input/output and isolated
ports can share the same resonator, which reduces the
number of resonators by two. By adjusting the position
of the coupling slots located between layers, the
bandwidth can be controlled independently in a certain
range without affecting the isolation effect. The detailed
analysis and the design method based on coupling matrix
have been first introduced to realize a third-order
multilayer filtering crossover. Compared with other
filtering crossovers, the proposed design exhibits good
filtering responses, better isolation, lower loss, as well as
compact size.

Index Terms —Dual-mode, filtering crossover,
multilayer, and substrate integrated waveguide (SIW).

I. INTRODUCTION

Crossovers are essential components in various
microwave and millimeter-wave circuits, which allow
different signals to cross each other without mutual
interferences. It can be applied in the Butler matrix
which has been widely used to construct modern beam-
forming technology. However, most of these crossovers
are implemented by microstrip technology, which would
always suffer from high losses in high frequency-band.

To meet the need of higher frequency operation,
the emerging substrate-integrated waveguide (SIW)
technology [1-8] has been successfully applied to the
design of various crossovers with high isolation, low
insertion, and easy integration with other planar circuits.
Moreover, a variety of microwave filters [1,5-6], power
dividers [2,7], couplers, and antennas [3] are well
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designed based on SIW structures.

Since the conventional SIW circuits are still too
large for high-density microwave/millimeter wave
systems, miniaturization design is becoming one of
the primary trends for SIW components. The use of
multilayered topologies [4-6] is known to provide more
freedom to design coupling paths between waveguided
structures while maintaining a compact circuit size. A
compact multilayer dual-mode filter based on the
substrate integrated waveguide circular cavity (SICC) is
developed in [5]. A novel out-of-phase power divider
based on a two-layer SIW is presented in [8].

|Port4
Portlf —— c __[Port3
— ~ rossoverf— |P°"4
Filter T Portl t Port3

s )~ =
s % Filtering
— - Crossover

Filter [port2 IPortZ

(a) (b)

Fig. 1. Schematic of the crossover cascaded with BPFs
and the filtering crossover: (a) traditional crossover; (b)
filtering crossover.

As shown in Fig. 1, two filters are needed to integrate
bandpass responses to one crossover, occupying large
circuit areas. To further reduce size, a single device
integrated with different functionalities, such as filtering
crossover [9-16] has been attracting increasing attention.
It also recommends an effective method to avoid the
interstage mismatch and performance degradation due
to a cascade connection of two individual components.
A wideband filtering crossover using dual-mode ring
resonator is proposed in [9]. In [12], a compact crossover
with bandpass responses is presented by using a stub-
loaded ring structures. In [16], a SIW filtering crossover
is proposed based on degenerate modes in SIW cavities.
Nevertheless, the footprint of this crossover is a little
large due to the employment of five oversized square
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cavities. As for aforementioned filtering crossover [13-
16], the bandwidth can be adjusted only by changing the
size of coupling aperture, which will also affect isolation
level at the same time.

In this paper, a compact multilayer dual-mode SIW
filtering crossover is presented based on the orthogonal
degenerate modes in SIW rectangular cavities (SIRCs).
The main design concept of this crossover is to make full
use of the dual-modes in multilayer SIW rectangular
cavities (SIRCs) to realize the cross transmission and the
orthogonality of the two modes to achieve the isolation
relying on the four coupling slots located between
substrate layers. Unlike other filtering crossovers [9-12,
16] (each port need to be loaded a resonator), by utilizing
the isolation property of the orthogonal degenerate modes,
input/output and isolated ports can share the same
resonator, which reduces the number of resonators by
two. Moreover, with multilayer dual-mode technology, a
third-order filtering crossover with flexibly controlled
bandwidth can be realized by occupying only one
resonator area. Comparatively speaking, both the
bandwidth and isolation level of planar filtering crossover
[12-16] depends on the width of the coupling aperture.
By adjusting the position of the four coupling slots
located between layers, the bandwidth of proposed
design can be controlled independently in a certain range
without affecting the isolation effect. What's unique
about the analysis process of crossover is that the
filtering crossover is divided into two band-pass filters
(BPFs), and then the coupling matrix method is used to
evaluate the initial value of design parameters accurately
according to the specifications, which is beneficial to
accelerate the later optimization design process. It's
a good combination of multilayered topologies, dual-
mode SIW cavities and multifunctional components [18-
24], which realize the miniaturization design of the
device while keeping good performance.

1. ANALYSIS AND DESIGN

A. Filtering crossover structure

As shown in Fig. 2, the proposed filtering crossover
consists of three SIW rectangular cavities (SIRCs),
which are coupled with each other by the four
rectangular coupling slots located in different layers for
miniaturization. Based on the isolation property of the
orthogonal degenerate modes, Portl, Port2, and Port3,
Port4 share the same Cavity I and III, which save the
number of resonators by two. There are two paths for
signal transmission (Portl to 3 and Port2 to 4). When
Portl is the input port, Port3 is the through port, whereas
Ports 2 and 4 are isolation port. Since the structure is
completely symmetrical, it can be inferred that the signal
will only be transmitted from Port 2 to 4 when Port 2 is
excited. The coupling slots have variable lengths (Lslot),
widths (Wslot) and offsets, and are arranged with respect
to bandwidth and isolation level. In these figures, Wc is

520

the width of the external coupling aperture and Lgap is
the length of feeding slot. Lc1 and Wel are length and
width of Cavity I and III. The length and width of Cavity
IT are denoted as Lc2 and Wc2, respectively.

(2)

Metal layer 1
Substrate 1

Metal layer 2

Substrate 2

Metal layer 3

Substrate 3
Cavity 111

Metal layer 4
(b)

Fig. 2. The proposed multilayer dual-mode SIW filtering
crossover: (a) top view; (b) anatomy view.

B. Dual-mode theory

A dual-mode SIW cavity[25-28] can support two
degenerate modes within one resonant unite, which not
only reduces the circuit size more than half but also adds
the design flexibility.

By using the electromagnetic simulation software,
the E-field distributions of the square cavity at the
orthogonal degenerate modes can be analyzed. Figure 3
depicts the electric field magnitude distributions of TE >
and TE»o modes in a SIRC. As seen in Fig. 3 (a), the
electric field within the SIW cavity is divided into two
regions, which are represented as region A and region B.
As can be seen, the electric field of TEip, mode is the
strongest in region A, but the weakest in region B.
Compared to the TEi0> mode, it can be observed the
electric field of TE2p mode is the weakest in region A,
but the strongest in region B, as shown in Fig. 3 (b).
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Region A Min.
(b)

Fig. 3. E-field distributions of the dual-mode SIW cavity
at: (a) TEip2 mode; (b) TE20 mode in SIRC.

Therefore, TE 92 and TEy; modes are orthogonal
degenerate modes, which mean that the TE o, mode will
be driven without the excitation of TE,o; if the two ports
are placed in region A, and vice versa in region B. Given
this characteristic, input/output and isolated ports can
share the same cavity, which helps to save the number
of resonators by two. On the other hand, the resonant
frequency of the TEmon mode for rectangular cavity is
decided by [31]:

2
c
= 9 1
mon 2 ﬂrSr J ( )
2 2
ay =a-— D ,beﬁ:b— D . ()
0.95p 0.95p

Where, aer and ber are the SIRC’s equivalent length,
width, respectively. a and b are physical length and width
of SIW cavity, D and p are the diameter of metallized
via-holes and center-to-center pitch between two adjacent
via-holes.

(c) Cavity III

Fig. 4. E-field distributions in the multilayer SIW
filtering crossover when Port 1 is excited.
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Figure 4 illustrates the electric field magnitude
distributions at 18 GHz in the multilayer SIW filtering
crossover when Port 1 is driven. As can be seen, TE o2
modes in cavities I~III have been excited to transmit the
signal from Port 1 to 3 with the isolation of energy to
Ports 2 and 4.

C. Analysis of crossover

The topology of the filtering crossover is shown
in Fig. 5 (a). Resonatorl, 4, resonator 2, 5 and resonator
3, 6 represent two degenerate modes exist in the same
cavity. Since these two modes are perpendicular to
each other, there is no coupling between them
(M14=M25=M36=0).

Port
Cavityl Cavity2 Cavity3
(€]
.ml.uF,’\Mu‘nF (D) MBBFEMILBE

Port 1 Port 3

.Ms‘-l.nrf_;‘\\m,m;/'\ MM,BF[;\MM,'.B Y
Port 2 Port 4

(b)

Fig. 5. (a) Topology of the third-order filtering crossover;
(b) schematic topology of two third-order filters.

Obviously, there are two paths for signal
transmission (Portl to 3 and Port2 to 4).As depicted
in Fig. 5 (b), in these two working states, the filtering
crossover is equivalent to two third-order bandpass
filters (BPFs) which have the same operating frequency
and passband characteristics. The coupling matrix of

third-order coupled-resonator BPFs is expressed as:
s 1 2 3 L
5 0 ms1 BF 0 0 0

1| ™s BF 0 M2 BF 0 0

mNs2=2| 0 mo1pp 0 my3BF o [
3 0 0 mger 0 mg pF
L 0 0 0 M3 BF 0

And the normalized input impedance of the filtering
crossover in Fig. 5 (a) is required to be the same as matrix
(3). Thus, the coupling coefficients for the filtering
crossover topology in Fig. 5 (a) are determined as:

Ms) Br=Ms1, Msapr=Msu, (4a)
M1 gr= M3, Mesv pr=Mer, (4b)
M2 Br= Mas gr= M12= Mas, (4c)

M3 gr= Ms6 7= Ma3= Mg, (4d)
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The required normalized coupling coefficient (m)
and external quality factors (Qc) for the filtering crossover
can be calculated by:

M12 M45
m. = =—2 = R 5
12 FBW FBW rT‘lZ,BF ( )
M M
" = Fgw ~ FRwW e ©
FBW FBW 1 1
Q = = = @)

M2 M2 FBWxm? FBWxm?

Generally, external quality factor (Qe) is related to
the length of feeding slot (Lgap) and the width of
external coupling aperture (Wc). It should be noted that
Lgap can be used to control the bandwidth, which also
have decisive impact on isolation levels. This is mainly
because the degenerate mode in another channel will be
excited easily for larger Lgap, so the isolation level will
decrease with the increase of bandwidth.

e G2UFBW=1 1%)

. —o—SIUFBW~1.1%)
— 0 R S29(FEW=25%)
1 — v 31 FBW=2 5%)
a -104 S21(FBW~6.5%)
E 20 { — 14— SIUFBW=0.5%)
h - -‘ L —
% -30 1 —
40{ R X S
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g -601
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90+

16 17 18 19 20 21
Frequecy (GHz)

Fig. 6. Simulated S21 and S31 of the proposed third-
order multilayer SIW filtering crossover with 25-dB RL
and different FBWs

Figure 6 shows the simulated results of the proposed
multilayer SIW filtering crossover with the same 25-dB
return loss (RL) and different fractional bandwidths
(FBWS). It can be seen that the isolation level degrades
from —33 to —20 dB when the 3-dB FBW increases from
1.1% to 6.5%.

As for traditional filtering crossover, the bandwidth
can be adjusted only by changing the size of coupling
aperture, which will also affect isolation level at the
same time. Thanks to the multilayer coupling structure,
the bandwidth of proposed design can be adjusted
independently in a certain range by controlling the
position of the coupling slots (offset), without affecting
the isolation effect.

Figure 7 depicts the simulated S-parameter of the
proposed multilayer SIW filtering crossover with the
same 25-dB isolation level and different fractional
bandwidths (FBWS). Obviously, for different FBWs, the

isolation level remains unchanged, so the bandwidth
of proposed filtering crossover can be adjusted
independently. The main reason is that the change of the
coupling slots offset only affect the strength of the
magnetic coupling, but not stimulate the degenerate
mode in another channel.
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Fig. 7. Simulated S21 and S31 of the proposed third-
order SIW filtering crossover with 25-dB isolation level
and different FBWs

E. Design example

In our design, the desired passhand is centered at
18.2 GHz with the 1.3% fractional bandwidth (FBW) of
25-dB equal-ripple return loss. Based on the advanced
coupling matrix synthesis method in [30], the initial
normalized coupling matrix of corresponding BPF can
be synthesized as:

S 1 2 3 L
s 0 12214 0 0 0
112214 0 12197 0 0

MNyo=2 | O 12197 0 12197 0
3| 0 0 12197 0 12214
L| o 0 0 12214 0

(8)

From (3)—(8) the desired parameters of the filtering
crossover can be calculated as follows:

M= M= Mss= M56:0.0]5856, Qe,51=51 .5645,
Qe 3= Qe,s1.=51.5645.

To extract Qe, full-wave simulations using ANSYS
HEFSS are carried out for the singly loaded SIRC excited
by a 50-Q microstrip line. The coupling strengths are
controlled by the feeding slot length Lgap with fixed slot
width Wgap = 0.3mm and coupling window width Wc =
3.28 mm. Qe can be extracted from the phase and the
group delay response of S11 using [29]:

f
Qe=—"—. ©)
AftQO”

Where, f denotes the frequency at which the group delay
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of S11 reaches the maximum, Afioec indicates the ABW
(absolute bandwidth) between +£90° points with respect
to the absolute phase of S11 at f;.
1204
1004
804

Siso-

404

20+
40 15 20 256 30 35 40
Lgap (mm)

Fig. 8. Simulated external quality factor Qe change with
Lgap.
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Fig. 9. Coupling coefficients versus the coupling slot: (a)
M., versus Lslot, Wslot=0.6mm; (b) Mi> versus Wslot,
Lslot=1.8mm.

Figure 8 shows the external quality factor Qe versus
the length of feeding slot Lgap. It can be seen that the
larger the feeding slot length, the smaller the external
quality factor. Based on the previous analysis, the

filtering crossover can be divided into two bandpss filters.

The adjustment of external quality factor is realized by
changing the value of Lgap, as depicted in Fig. 8. Then,
the desired Qe (Qel = Qell = Qe) can be achieved and
then the initial value of Lgap can also be determined.

In general, the coupling coefficient of two coupled

ACES JOURNAL, Vol. 35, No. 5, May 2020

resonators can be extracted by full-wave simulations. For
two synchronously tuned coupled resonators weakly
coupled by input and output ports, two split resonant
frequencies can easily be identified by two resonance
peaks, the coupling coefficient can then be evaluated
using the formula [29]:
f2—f2
__p2 p1
O
where f,1 and f;, are the lower and higher resonant
frequencies, respectively.

Figure 9 illustrates the extracted curves of My,
which versus the length (Lslot) and width (Wslot) of
coupling slot, respectively. As can be seen, when the
length and width of the coupling slot increases, coupling
coefficients also increases accordingly. Obviously,
larger Lslot and Wslot correspond to the wider bandwidth.

In summary, the design procedure of the proposed
filtering crossover is listed as follows. Firstly, the
resonant frequency of the SIRC is calculated by formula
(1) ~ (2), to meet the required center frequency fo.
Secondly, a coupling matrix of a third-order BPF is
synthesized according to the desired center frequency fo
and the fractional bandwidth (FBW). Thirdly, according
to formula (3) ~ (8), the coupling matrix and Qe of the
corresponding filtering crossover are obtained. Moreover,
internal coupling parameters (Lslot, Wslot, offset) and
external coupling parameters (Wc, Lgap) are tuned to
meet desired values of coupling coefficients and external
quality factor, respectively. Finally, fine tuning of the
entire structure is performed to realize good filtering
crossover performance.

(10)

1. SIMULATED AND MEASURED
RESULTS

After optimization implemented by HFSS, the
geometry parameters of the proposed filtering crossover
are chosen as follows (all in mm): D=0.6, p=1,
Lc1=Wc1=12.48, Lc2=Wc2=12.61, Lgap=1.55, Lslot=1.75,
Wslot=0.6, Wgap=0.3, Wstrip=1.55, Lstrip=11, Wc=3.28,
offset=0.95.

To verify the above method ,the proposed crossover
was designed and fabricated on a substrate with
thickness of 0.508 mm, relative dielectric constant of
2.2 and dielectric loss tangent 0.0009 (at 10 GHz). The
measurement is accomplished by using the Agilent
N5244A network analyzer.

Figure 10 shows the simulated and measured S-
parameters of the multilayer filtering crossover. The
measured passband is centered at 18.16 GHz with the 3-
dB FBW o0f 2.35%.The in-band return loss (RL) is better
than 19.56dB. The minimum insertion loss (IL) measured
in the passband is 1.85 dB, while the isolation is better
than 24.5 dB over the band of interest. It could be
observed that the measured results are in excellent
agreement with the simulation results.
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Fig. 10. Simulated and measured results of the fabricated
multilayer SIW filtering crossover.

Fig. 11. Photograph of the fabricated multilayer dual-
mode filtering crossover: (a) front view; (b) back view.

Table 1: Performance comparison of various crossovers

Size(Agd)/ Techniques/
Ref. fo(GHz)/ Isolation(dB)/ Resonators*/
FBW (%)
IL(dB) RL(dB)/er
Microstrip/
[12] 2/9.5 0.18/20/1.7 5/13/3.38
[13] 60/5 1.44/20/0.85 | SIW/-/13/9.8
[14] 35/16.6 17.76/17/0.95 | SIW/-/17/2.94
[15] 30/2.4 1.44/17/2.2 SIW/5/13/2.2
[16] 20/ 6.6 4.06/20/1.63 | SIW/5/18/2.2
[17] 30/16.7 1.44/18/2.1 SIW/5/14/2.2
This 18.16/2.35 | 0.69/24.5/1.85 | SIW/3/20/2.2
work

Where Ag is the guided wavelength on the substrate at
the center frequency fo, FBW represents the fractional
bandwidth. Resonators* represents the number of
resonators.

The photograph of the fabricated filtering crossover
based on multilayer dual-mode SIRCs is displayed
in Fig. 11. A detailed performance comparison with
crossovers in recent years is shown in Table 1, which
demonstrates the advantages of the proposed crossover
clearly. Compared with [12], the proposed design has
much higher Q factor and self-consistent electromagnetic
shielding structure, which is suitable for higher
frequency operation. Moreover, the proposed third-order

filtering crossover with flexibly controlled bandwidth
can be realized by occupying only one resonator area.
Compared with the works in [13-17], the presented
filtering crossover has featured better isolation and RL,
flexibly controlled bandwidth, lower loss, minimum
number of resonators, as well as more compact size.

IV. CONCLUSION

In this paper, a compact multilayer dual-mode SIW
filtering crossover is proposed based on the orthogonal
modes in SIRCs. By properly arranging the feeding ports
and the four coupling slots in multilayer dual-mode
SIRCs, excellent transmission and isolation responses
have been successfully achieved. Moreover, input/output
and isolated ports can share the same cavity, which save
the number of resonators by two. The bandwidth of
proposed design can be controlled independently in a
certain range without affecting the isolation effect.
What's unique about the analysis process of crossover is
that the filtering crossover is divided into two band-pass
filters (BPFs), and then the coupling matrix method
is introduced to evaluate the initial value of design
parameters accurately. With the acceptable isolation
levels (>20dB), the controllable bandwidth range is from
1.1% to 6.5%. A third-order multilayer filtering crossover
operating at 18.2 GHz with a FBW of 2.4% was designed
and fabricated. Good circuit performance in the
experimental results has verified the proposed ideas. The
presented multilayer filtering crossover with dual-mode
SIW cavities could be more suitable for the development
of high density and miniaturized RF/microwave system.
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Abstract — A coupled line cross-shaped resonator
(CLCSR) is proposed, which consists of four parallel
coupled lines. By using even- and odd-mode approach,
this resonator is characterized and designed to build up a
wide band-pass filter. There are three transmission poles
in the pass-band and two transmission zeros out of
the pass-band. The positions of the transmission zeros
are fixed. The transmission poles are determined and
adjusted by the parameters: z,, z,, k;, and k,. Then two

coupled line cross-shaped resonators are cascaded to
realize a wide band-pass filter. The sharper selectivity
and better performance can be obtained by cascading
two CLCSRs. Good S-parameters are achieved as
demonstrated in both simulated and measured results.

Index Terms — Band-pass filter, coupled line cross-
shaped resonator, transmission pole, transmission zero.

L. INTRODUCTION

The multi-mode resonator wide band-pass filter
(BPF) design has become a research hotspot due to its
simple filter topology, compact physical size and simple
design process. In Ref. [1], an ultra-wideband BPF
is designed with a cross-shaped resonator. An ultra-
wideband BPF with the capacitively coupled stub-loaded
resonator is introduced in Ref. [2]. Reference [3]
proposes a differential wideband BPF which consists
of slot-line multimode resonators. Cheng proposes a
wideband BPF with reconfigurable bandwidth function
[4]. The wideband BPF is composed of a parallel-
coupled line structure and a cross-shaped resonator. In
Refs. [5-11], some structures are added to the cross-
shaped resonator, such as coupled lines, short stubs.
Those band-pass filters provide better ideas for this

Submitted On: January 17, 2020
Accepted On: April 18, 2020

study. There are many studies based on cross-shaped
resonators. However, the performance of the ordinary
cross-shaped resonators is poor, and the frequency
selectivity of the filters needs to be improved.

In this paper, a new coupled line cross-shaped
resonator filter is proposed. The input impedance of its
equivalent circuit can be calculated through the odd-even
mode method. The proposed filter is miniaturized by
bending parallel coupled lines. In order to increase the
bandwidth and improve the out-of-band performance,
two CLCSRs are cascaded in the wideband BPF design.
The simulated results are basically consistent with the
measured ones. Compared with single cross-shaped
resonator, the frequency selectivity of the cascaded
CLCSR BPF is improved.

II. BAND-PASS FILTER DESIGN

Figure 1 (a) shows the proposed BPF which is
composed of single CLCSR. The CLCSR consists of
four parallel coupled lines. They are connected at the
middle node position. The proposed BPF circuit is
a symmetric structure. The odd mode characteristic
impedance and even mode characteristic impedance
of the parallel coupled lines are denoted as

Zo = 2Lk 1=K, | 7oy =2,\[L—k /\1+k . The odd

mode characteristic impedance and even mode
characteristic impedance of the other two coupled

lines are denoted as  z,,=z,\l+k/\1-k,
zc02=221/1—k2/,/1+k2 . The electrical length of all

coupled lines is 6.

The odd mode circuit is shown in Fig. 1 (b) and the
even mode circuit is shown in Fig. (c). The normalized
impedance parameters z, =Z,/Z;,and z,=7,/Z, are

1054-4887 © ACES
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used in the even-odd mode circuit. The input impedances
Zine(0) CAN be derived from formula (1) and (2) in Ref

[12]. According to the odd-even mode circuit, the even
mode load impedance is in formula (2) and the odd mode
load impedance is in formula (3):

= ZLe(D)Z1(1_ k12) - (1_ klz)tan HZLE(G)Zl + Jle tan 6y1- klz
ine(o0) (21 tan GZLE(U) ’1_ kl2 + 21(1+ kl))(l_ kl)

B z,J1—k,? @

7, =— '
2jtan(0)(1-k,)

(1)

,= 0. ©)

ki 0 Z: k2 0

(b)

Z1 ki 0

input (0

Port2 (e)
(a)

Fig. 1. (a) Ideal circuit of the CLCSR BPF, (b) odd-mode
equivalent circuit, and (c) even-mode equivalent circuit.

In a symmetric two-port network, the normalized
frequency response is
z.2Z

ine Sino 1

(Zine _l)(zino _1) ’

Sy =5, =

(4)

. —1
— s — ine Ino
%2 “ (Zine _1)(Zino _1) . (5)
When @ is equal to =z , the corresponding
frequency is f,, as shown in formula (6). When |s,,| is
equal to zero, the transmission zeros of the CLCSR BPF
can be obtained. The transmission zeros f, and f,, are

shown in formula (7a) and (7b). The positions of the
CLCSR BPF’s transmission zeros can be adjusted
through the f;:

p=r ="My ©)
v
1
le = E f0 ) (72)
3
f,= > f,- (7b)

When |s,,| is equal to zero, the transmission poles

of the CLCSR BPF can be obtained. The calculated
results of the transmission poles are as shown in formula
(8) and (9):

B 2f, arctan(\/q ) , @)
T

£t ©)

p2

pl

2fy(r- arctan(\/q )

T

(10)

p3

(K25 2 DI 2,06 DDA+ )
u,= .
2 (- 2 kI - 20 k) D)

The transmission poles f, and f ; are symmetric

(11

aboutthe f,. There are two transmission zeros out of the

pass-band and three transmission poles in the pass-band.
The zero-pole distribution of the ideal CLCSR BPF is
shown in Fig. 2.

S-parameters(dB)

058, f, 1.5¢
Frequency(GHz)

Fig. 2. Zero-pole distribution of the CLCSR BPF’s
circuit.

In Fig. 2, the relationship between the transmission
poles and the transmission zeros in the frequency range
is:

le < fpl < fpz < 1tp3 < fzz' (12)

The influence of the design parameters on the
return loss of the CLCSR BPF is given in Fig. 3. When
one parameter changes, the other parameters remain
unchanging. The transmission poles f and f , are far

away from each other when one parameter increases.
In Fig. 3 (a), with the increases of k,, the return loss
decreases and the frequency selectivity is improved. The
bandwidth increases and the return loss decreases with
the increases of k, in Fig. 3 (b). In Fig. 3 (c), the
frequency selectivity is improved and the return loss
decreases with the increase of z,. In Fig. 3 (d), the
bandwidth increases and the return loss decreases with
the increase of z,.

The physical structure parameters of the coupled lines
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can be calculated based on Z and k. The characteristic
impedance Z is smaller when the width of the coupled line
is wider. When the gap between the coupled lines is wider,
the value of k is usually smaller. Thus, the design
parameters are selected as k;, =k, =0.6, z, =z, =1.5.

S, (dB)

!

—— k=08 i !
_ I

—— k=06 i w

-60 - ? R i
]
|

S,,(dB)

___Zl=1.1

60 F —— —Zl=1.3
21:1.5

70 . —
0 O.Sf0 fo L5t

(c) Frequency(GHz)
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1.5f
Frequency(GHz)

Fig. 3. The influence of z,, z,, k;, and k, on the return
loss of the CLCSR BPF: (a) z,; (b) z,; (c) k;; (d) k,.

I1l. RESULT AND DISCUSSION

The final size of the CLCSR BPF is shown in Fig. 4
(a) and the photograph of the CLCSR BPF is shown
in Fig. 4 (b).The coupled lines are bended for filter
miniaturization. The resonant frequencies of the CLCSR
BPF are simulated by using ANSYS HFSS. The EM
method in simulation is finite element method. The
CLCSR BPF is designed on Rogers RT5880 microwave
dielectric board (h = 0.508 mm, ¢, =2.2, tans = 0.0009).
The line width g=1.54mm is chosen for the characteristic
impedance of 50Q for the input/output microstrip line.
The characteristic impedance of SMA connector is 50Q
which matches the microstrip line.

h

(a) (b)

Fig. 4. (@) The CLCSR BPF structure parameters (a=14.1,
b=7.19, c=5, d=0.255, e=0.15, g=1.54, h=6.58, 1=0.2,
Unit: mm), (b) photograph of the CLCSR BPF.

Figure 5 shows the simulated and measured results
of the CLCSR BPF. The measured results are obtained
with Agilent N5230C vector network analyzer. As shown
in Fig. 5, the measured results almost agree well with the
simulation ones. The absolute bandwidth of the CLCSR
BPFis 1.6 GHz, which is from 3.2 to 4.8 GHz. The return



loss is bigger than 12dB in the whole pass-band. In
addition, the stop-band rejection is better than 14dB from
2 to 3.2 GHz. Moreover the stop-band rejection is better
than 12 dB from 4.8 to 7 GHz.

In order to improve the out-of-band performance
and expand the pass-band frequency range, two CLCSRs
are cascaded in wide-band BPF design. Figure 6 (a)
shows the equivalent circuit of the cascaded CLCSR
BPF. The cascaded CLCSR BPF structure parameters
are slightly different from the CLCSR BPF in Fig. 1. The
cascaded CLCSR BPF layout is shown in Fig. 6 (b) and
the photograph of the cascaded CLCSR BPF is shown in
Fig. 6 (c).

-20F

Magnitude (dB)
b s
=

IS
S

-50 -
—— Measured

——-Simulated

-60

I I | |
1 2 3 4 5 6 7
Frequency (GHz)

Fig. 5. Simulated and measured results of the CLCSR
BPF.
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Fig. 6. (a) ldeal circuit diagram for the cascaded CLCSR
BPF, (b) actual size of the cascaded CLCSR BPF circuit
(a=1.54, b=0.15, c=1.05, d=43.12, e=10.78, f=5.92,
g=16.66, h=4.9, i=0.7, j=0.2, k=4.5, Unit: mm), (c)
photograph of the cascaded CLCSR BPF.
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The simulated and measured results of the cascaded
CLCSR BPF are shown in Fig. 7. The absolute bandwidth
of the cascaded CLCSR BPF is 2 GHz from 4.2 to 6.2
GHz. The return loss is bigger than 12dB in the pass-
band. The out-of-band rejection levels are greater than
20 dB. The simulated results are basically consistent
with the measured ones. The frequency discrepancy
between the simulated and measured results is due to the
machining error and the material parameters difference.
The material parameters include the dielectric constant
and the thickness of dielectric plate. The discrepancy of
the return loss and the insertion loss is due to the
conductor loss, the dielectric loss and the radiation loss.
There are a few errors in the simulated and measured
results, which also makes the simulated results different
from the measured ones.

20 F

e
! L !

-30

Magnitude (dB)

=50

60F | 1
— measured

—— -simulated
.

70 . . . .
2 3 4 5 6 7 8
Frequency (GHz)

Fig. 7. Simulated and measured results of the cascaded
CLCSR BPF.

Table 1 compares the proposed works with some
previous works. Obviously, the proposed filters have
some advantages, such as wide bandwidth, compact size
and high performance.

IV. CONCLUSION

In this paper, a CLCSR is proposed, which consists
of four parallel coupled lines. By using the odd-even
mode method, the CLCSR is analyzed and designed to
construct a wide-band BPF. The cascaded CLCSR BPF
is designed by cascading CLCSRs. Finally, the CLCSR
BPF and the cascaded CLCSR BPF are simulated,
fabricated and measured. The simulated and measured
results for two proposed wide-band BPFs are basically
the same.
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Table 1: Compares the proposed works with some previous works
Reference Center Frequency TZs/TPs | Insertion Loss | Return Loss | Size (4,*4,)
Ref. [1] 6.65 2/4 0.35 >20 0.5*0.79
Ref. [2] 6.85 4/5 0.6 >14 0.38*1.14
Ref. [3] 2.6 Not give 0.5 >10 1.4*%1.4
Ref. [4] 5.7 2/3 14 >10 0.18*%0.18
Ref. [5] 1.75 Not give 15 Not give 0.38*0.17
CLCSR BPF 4 2/3 0.4 >12 0.15*0.15
Cascaded CLCSR BPF 5.2 2/5 1.1 >12 0.19*%0.15
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Abstract — In this paper, a metal-strip integrated filtering
waveguide is proposed. The overall structure consists of
a traditional rectangular waveguide and a metal-strip
surface which is loaded at the bottom wall of the
waveguide. The customized surface can be considered as
a meta-surface, the working property of which can be
transformed between perfect electric conductor (PEC)
and perfect magnetic conductor (PMC) depending on
its operational frequency. When the surface acts as
a PEC, the filtering waveguide works at pass-band
and electromagnetic waves can freely travel inside the
waveguide like a conventional one. When the surface
plays a role as a PMC outside the interested frequency
band, a stop-band can be created where the propagation
of electromagnetic waves could be effectively prevented.
By integrating the band-pass and band-stop functions
into the same waveguide, a compact filtering waveguide
structure can be obtained. The proposed filtering
waveguide operates in Ku-band with pass-band of 12
GHz~15.1 GHz and stopband of 15.8 GHz~17.4 GHz.
Experimental results show a favorable consistency with
the simulation results and verify the proposed concept.
Moreover, the proposed structure also possesses a
compact size and characterizes for easy-fabrication,
having a promising practicability in advanced satellite
communication system applications.

Index Terms — Filtering waveguide, metal-strip surface,
meta-surface, PEC, PMC.

I. INTRODUCTION
Satellite communication (Satcom) technology is
of great significance for global ocean, land and

Submitted On: Februray 1, 2020
Accepted On: March 14, 2020

meteorology monitoring and surveillance. As an
important front-end device for the Satcom wireless
communication systems, antenna is responsible for
transmitting and receiving radio frequency (RF) signals.
However, most of the antennas are “passive” and receive
signals without any distinction [1]-[7]. Therefore, these
signals may cause certain interference to the RF
transmitting and receiving systems. Waveguide-based
components are frequently adopted in Satcom
communication due to its excellent resistance to cosmic
radiation and great electrical and structural performance.
Traditionally waveguide-based antenna and filters are
bridged via waveguide channels, which usually causes a
bulky size of the RF front-end. Hence, it is always a
requirement that if the signal propagation and filtering
function can be properly integrated into a waveguide, not
only the loss caused by the waveguide cascade topology
can be avoided, but also the size of the overall RF front-
end can be greatly reduced.

In recent years, various integrated filtering
waveguide have been proposed [8]-[10]. A waveguide
band-pass filter is introduced in [11], which is built on a
dielectric substrate and applies a new type of microstrip
to waveguide transition. In [12], an end-coupled band-
pass filter based on the micro-bandgap waveguide
technology is demonstrated. The designed filter has a
planar structure and is therefore suitable for integration
with active and passive components. A rectangular
waveguide band-pass filter designed in [13] is made by
deep reactive ion etching micromachining on a silicon
wafer. On the other hand, an idea of integrating a
metamaterial-based surface in a waveguide antenna is
presented in [14] to achieve a filtering slotted antenna.

1054-4887 © ACES



As the height of its internal metal nails is about a quarter
wavelength at the center frequency of the stop-band,
a perfect ideal magnetic conductor characteristic can
be obtained. By utilizing this feature, the antenna can
possess better attenuation characteristic in the stop-band,
thereby the filtering function can be realized. This
surface is usually integrated on the bottom layer of the
waveguide to implement the filtering function of the
antenna. However, loading such metallic metamaterial
surface can be considered as adding a “thick” plate
below the bottom of the waveguide which would
increase the profile of the whole structure.

In this paper, a metal-strip surface is integrated in
a rectangular waveguide for Ku-band communication
application. Its operational frequency band is around 12-
15.1 GHz with a stop-band of around 15.8-17.4 GHz so
as to achieve good anti-interference characteristic. The
proposed design adopts the metal-strip meta-surface to
be realized by low-cost printed circuit board (PCB)
technique. By changing the structural configuration of
the metal-strip surface, the stop-band and pass-band
characteristics of the filtering waveguide can be
customized. The paper consists of the following parts:
Section Il introduces the structure of the proposed
filtering waveguide. The design details and analysis are
discussed in Section Ill. Section 1V demonstrates the
simulation and the measurement results with favorable
comparison. A conclusion of the work is drawn in
Section V.

1. WAVEGUIDE STRUCTURE

The configuration of the filtering waveguide
proposed in this work is shown in Fig. 1. Unlike a
conventional rectangular waveguide, a metal-strip layer
is integrated at the bottom wall of the waveguide. In this
design, the metal-strip meta-surface is composed of 22
rectangular metallic strips and shorted to the bottom
metal plane through vias. The shorted metal-strip surface
is finally realized on a RO4003C substrate with dielectric
constant of 3.55 and thickness of 0.813 mm. In order to
facilitate the measurement, the meta-surface consisting
of the metal-strips is fixed to the bottom wall of the
waveguide with conductive adhesive, and two WR-62
standard coaxial-to-waveguide adaptors are mounted to
the two ports of the filtering waveguide. The overall
dimensions of the proposed waveguide are tabulated in
Table 1.

I11. DESIGN AND ANALYSIS OF
FILTERING WAVEGUIDE

A. Design fundamental

According to waveguide theory, when two parallel
plates are perfect electric conductors (PECs), the vertical
electric field can be freely propagated between the
plates. However, when one PEC plate is replaced by
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a perfect magnetic conductor (PMC) plate, the
propagation of the electric field is highly relevant to the
distance between the two parallel plates. If the distance
is less than A1/4, the vertical electric field cannot
propagate successfully, where A corresponds to the
wavelength at the operating frequency [15], [16]. The
abovementioned propagation characteristics are shown
in Fig. 2. It can be seen that once the spacing between
the PEC and PMC plates is less than 1/4, neither the
electric field nor the magnetic field is able to propagate
through the waveguide, therefore a stop-band can be
generated in this structure.

Waveguide stepped ~ Waveguide wall
transition X

A Port 2 iz

X< 0~y

— AW

i’on 1 Metal-Strip surface

(@)

i |

‘-——. [ ] [ L] . [ ]

- —. * * L] . *

f a
L]

el e

(©)

Fig. 1. Configuration of the proposed filtering
waveguide. (a) 3-D perspective view of the complete
filtering waveguide. (b) Top-view of the metal-strip
surface. (c) Front-view of the filtering waveguide. (d)
Side-view of the filtering waveguide.

B. Design of filtering waveguide
According to the fundamental mentioned in last
section, it is key to construct a meta-surface to perform a
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frequency-dependent PEC/PMC layer in the waveguide.
In this design, a metal-strip layer is adopted as the
PEC/PMC meta-surface, which is able to generate a
pass-band characteristic in the bandwidth of 12~15.1
GHz while a stop-band in the frequency range of
15.8~17.4 GHz. The proposed metal-strip surface is
printed on a PCB board with size of L x a x h, where
the length and width of the metal-strip is a and w
respectively. The distance between the adjacent metal-
strips is i. A ground plane is designed at the bottom of
the PCB, shorted with the metal-strips at the top layer by
vias. The radius of the vias is r. The PCB layer is finally
embedded in the bottom wall of the waveguide to
achieve filtering performance.

Table 1: Parameters of the filtering waveguide
Parameter Value
16 mm
4.5 mm
0.813 mm
93.5 mm
3.1 mm
1.1 mm
2.5 mm
0.35 mm
15.7 mm

PEC PEC

Any 20 Cutoff for
separation (Stop) separation<<h / 4

PEC PMC
(@) (b)

E(Pass)

Fig. 2. Electric field propagation inside two parallel
plates: (a) model with two PEC plates, and (b) model
with a PEC plate and a PMC plate.

C. Analysis of filter waveguide

The reflection and transmission coefficients of
the proposed filtering waveguide is shown in Fig. 3,
characterized by Si1; and Sy respectively. It can be seen
that the S1; coefficient is less than -20 dB in the band of
12~15.1 GHz, indicating the metal-strip surface can be
used as a PEC layer for electromagnetic (EM) wave
propagation in this bandwidth. While in the frequency
range of 15.8~17.4 GHz, Sy is close to 0 dB and Sy is
below -60 dB, which shows that the EM wave in this
frequency band is almost totally reflected. In this case,
the metal-strip surface acts as a PMC layer to prevent
signal propagation. Therefore, the proposed filtering
waveguide can generate a pass-band of 12~15.1 GHz
for target signal propagation, while there is a stop-band
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existing in 15.8~17.4 GHz for interference signal
rejection. Note that when the metal-strip layer acts as
PMC, the cut-off frequency appears at around 15.8 GHz
as the spacing (b) between the top and bottom plate of
the waveguide is close to a quarter wavelength at this
frequency. All the signal below 15.8 GHz under this

condition will be rejected.

0
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-100+

S-parameters (dB)

-120 1

—— 5,,(dB)
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-140-
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12 13 14 15 16 17 18
Frequency (GHz)

Fig. 3. S-parameter results of the proposed filtering
waveguide.

D. Parametric analysis

The frequency response of the metal-strip surface
can be changed by some key structural parameters,
which could make it easily customize to different anti-
interference requirements with specified pass-band and
stop-band.

Two typical parameters are studied in this work.
Figure 4 shows the effect of the vias’ height (h) on the
frequency response of the stop-band. As the height
increases, the stop-band shifts to lower frequencies and
the corresponding bandwidth is also affected. Figure 5
shows the influence of the via spacing of metal strips (j)
on the waveguide stop-band performance. As the spacing
increases, the stop-band has similar response as the vias’
height that shifts to lower frequency band while the
bandwidth of the stop-band is also affected. Figure 6
shows the effect of the width (w) of the metal-strip on the
stopband performance, from which it can be seen that
as the width increases, the stopband slightly shifts to
a lower frequency band Parametric studies on other
parameters are not necessary to present as similar effect
can be expected. Based on the above analysis, it can be
seen that the filtering response could be easily adjusted
by changing the corresponding parameters of the
metal-strip layer, and therefore the proposed filtering
waveguide can be flexibly designed for wvarious
applications.
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Fig. 4. Transmission coefficient of the proposed filtering
waveguide with different heights (h) of the vias.
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Fig. 5. Transmission coefficient of the proposed filtering
waveguide with different vias’ spacing (j).
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Fig. 6. Transmission coefficient of the proposed filtering
waveguide with different width of metal-strip (w).

IV. RESULT ANALYSIS

As shown in Fig. 7, the waveguide consists of
two parts: a cover and a cavity. The cavity includes a
waveguide step transition and an embedded metal-strip
surface. The waveguide is assembled by fixing the cover
on the top of the cavity with screws.

In order to verify the transmission characteristics
of the proposed filtering waveguide, a prototype
manufactured by machining technique has been tested
with vector network analyzer (VNA). The reflection
coefficient (represented by Sii in units of dB) and the
transmission coefficient (represented by Sz in units of
dB) of the prototype are shown in Fig. 8 with comparison
of simulation results. The experimental results are
somehow consistent with the overall trend of the
simulation results. The reflection coefficient (S11) of
the pass-band is close to -20 dB though the frequency
response at lower frequencies deteriorates, and the
ability of stop-band to suppress interference signals is
better than 30 dB. It is also noticed that the stop-band
shifts to higher frequency by about 1.3 GHz and the
corresponding bandwidth becomes narrower.

Waveguide wall

Waveguide
stepped transition

Metal-Strip surface

Fig. 7. Photograph of the proposed waveguide.

After a careful inspection, there are several reasons
causing the difference between the measured and
simulated results: (1) The actual thickness of the
dielectric substrate becomes smaller after copper coated
on both sides of the substrate. According to the previous
parametric analysis, this error would cause a frequency-
shift to higher frequency in the stop-band and also
changing the bandwidth; (2) In addition, the dielectric
constant of the actual substrate is around 3.38 instead of
the dielectric constant 3.55 set in the simulation; (3) All
the metallic materials of the filtering waveguide are
set to PEC in the simulation environment without
considering the actual conductive loss. After reducing
the thickness and dielectric constant in the design model,
the simulation is re-run to investigate the change and the
result is shown in Fig. 9. Now the experimental results
are basically consistent with the simulation ones though
the bandwidth of the stop-band still has deviation.



537

Furthermore, it should be noted that as the WR-62
standard coaxial-to-waveguide adapter operates from
12.4 GHz up to 18.0 GHz, it might affect the reflection
coefficient of the filtering waveguide at lower frequency
during the measurement.

a0
-60

-80

S-parameters (dB)
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Fig. 8. Simulated and measured S-parameters of the
filtering waveguide.
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Fig. 9. Simulated and measured S-parameters of the
filtering waveguide.

V. CONCLUSION

A new metal-strip integrated filtering waveguide is
investigated in this paper. The structure simply consists
of a traditional waveguide and a metal-strip meta-surface
embedded at the bottom of the waveguide. The meta-
surface can act as a PEC layer in the pass-band while
exhibit PMC characteristic in the stop-band. After
simulation analysis and experimental verification, the
filtering waveguide is able to meet different design
requirements. The metal-strip surface is realized on the
PCB, the design process of which is relatively simple
and convenient for practical implementation and easy for
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size miniaturization.
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Abstract — A novel filtering waveguide with bandwidth
controllable characteristic is proposed in this work. The
filtering waveguide consists of a common rectangular
waveguide and metamaterial-based metallic bars. The
proposed waveguide is designed for Ku-band application.
Inside the operational frequency band, the metallic bars
forming a metamaterial surface can behave as perfect
electric conductor (PEC), which generates a pass-band
for signal transmission, while outside the band of interest,
the metallic bars act as perfect magnetic conductor
(PMC) and block the transmission of undesired signals,
where a stop-band is formed. After integrating the pass-
band and stop-band features into the waveguide, a
customized waveguide with filtering response is realized.
A prototype of the proposed filtering waveguide is
fabricated with the advanced metallic 3D printing
technique, and experimental results well verify the
desired performance. Moreover, the pass-band and
stop-band of the filtering waveguide can be flexibly and
easily adjusted to meet different requirements with low
insertion loss.

Index Terms — Bandwidth controllable,
waveguide, low loss, metamaterial.

filtering

I. INTRODUCTION
With the development of wireless communication,
high-frequency devices are always desired to be highly-

Submitted On: February 1, 2020
Accepted On: April 5, 2020

integrated and versatile with compact size and
lightweight. As two important microwave components,
waveguide-based antennas and filters are frequently
employed in advanced wireless systems like radar and
satellite [1]-[7], where the filters are usually cascaded
behind the antennas via waveguide connection.
However, such traditional ways for cascading different
components with waveguides result in a bulky size of the
hardware system, which fails to meet the current wireless
development requirements. Therefore, it is necessary to
investigate multi-functional devices in a high-integration
level. Waveguides integrated with filtering function
are one of these devices and continually playing an
important role in modern communication systems due to
their unique radio-frequency (RF) advantages such as
low insertion loss and high-power handling capabilities
[8]. However, it is always challenging to realize such
versatile three-dimensional components in a simple way.

Metamaterial is an artificial material proposed
decades ago. It typically consists of a series of periodic
electromagnetic (EM) structures or unit cells that can
change the characteristics of incident electromagnetic
waves, such as the direction of propagation, wave
number and phase [9]. In recent years, the application
of metamaterial structures to achieve filtering response
in various microwave devices becomes a hot topic.
Different methods for designing filtering structures
with metamaterial have also been widely studied. For
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example, a magnetic wall made of mushroom-shaped
metamaterial was added into rectangular waveguide
[10], [11], the analysis of which shows that the critical
frequency of such a waveguide depends on the
metamaterial resonance frequency and is close to 4 GHz,
where the considered structure acts as waveguide filter
and provides 500 MHz stop-band with rejection level of
21~24 dB. Although it could perform filtering function
in a waveguide, this structure is too complicated to
realize and had a relatively large insertion loss. Recently,
a design approach of a waveguide slot filtering antenna
array was proposed [12]. In this design, a metamaterial
surface with numbers of metal nails are embedded
into the bottom of the waveguide cavity to achieve the
filtering response, where slots are opened on the
waveguide broad-wall to realize frequency resonance
and energy radiation of the antenna array. Such structure
has the advantages of simple structure, easy
manufacturing and large stop-band range. However,
several amounts of energy is easily retained in the gaps
among the large number of metal nails, which has been
verified a large insertion loss exists in this structure and
finally results in a poor transmission performance.

In this paper, in order to alleviate the above-
mentioned technical problems, a new type of filtering
waveguide is proposed and realized with the help of 3D
printing technique. Unlike the structures of the previous
works, the presented design has a much simpler structure
and lower loss, and the pass-band and stop-band
can be easily adjusted to meet different application
requirements.

I1. CONSTRUCTION OF FILTERING
WAVEGUIDE

The construction of the proposed filtering
waveguide is shown in Fig. 1. As different from a
conventional waveguide with complete solid metallic
walls, the designed structure possesses a metamaterial-
based surface to take place of one of the broad-walls. The
metamaterial-based surface is composed of periodic
metallic bars. By employing such surface into the
waveguide, the model is able to transmit a desired
bandwidth of signal (pass-band) in the Ku-band while
generating an out-of-band rejection (stop-band). In
order to facilitate the experimental setup and test, two
waveguide stepped transitions are designed to connect
the two filtering waveguide ports with commercial
coaxial-to-waveguide adapters. The structural parameters
of the filtering waveguide shown in Fig. 1 are tabulated
in Table 1, where a and b are the length and width of the
rectangular waveguide respectively; w and h are the
width and height of the metallic bars respectively; i is
the interval among the metallic bars. Note that the length
of the periodic bars is identical to the length of the
waveguide broad-wall. In addition, | structure of the
waveguide stepped transition is shown in Fig. 2. The

transition is composed of four steps. Its structural
parameters are tabulated in Table 1, where (b, b1, b, and
bs) and (co, €1, C2, and c3) are the heights and widths of
the four steps respectively.
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Fig. 1. Structure of the designed filtering waveguide. (a)
3D-view of the whole filtering waveguide. (b) Top-view
of the filtering waveguide. (c) Front-view of the filtering
waveguide. (d) Side-view of the filtering waveguide.
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Fig. 2. Structure of the waveguide stepped transition. (a)
3D-view of the waveguide stepped transition. (b) Front-
view of the waveguide stepped transition.
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Table 1: Parameters of the filtering waveguide

Parameter Value Parameter Value
a 15.79 mm by 5.6 mm
b 5.06 mm b, 6.9 mm
c 1.2 mm b3 7.89 mm
w 5.5mm Co 5.5mm
h 4.8 mm C1 7.0 mm
i 0.7 mm C2 7.0 mm
- - C3 5.5mm

111. DESIGN AND ANALYSIS OF THE
FILTERING WAVEGUIDE

A. Operational principle

According to EM theory, the electric-field (E-field)
propagates vertically between two parallel perfect electric
conductors (PECs) at any spacing. However, when one
of the two parallel PECs is replaced by a perfect
magnetic conductor (PMC), the EM wave propagation
property would be changed. Once the distance between
the two conductors (PEC and PMC) is less than quarter
wavelength of the operating frequency, propagation
of the E-field no longer exists, i.e., its cut-off frequency
is higher than that of all propagation modes [13].
The periodic surface can create a cut-off band, which
is realized theoretically by providing high surface
impedance on the periodic structure, i.e., rendering it as
an artificial magnetic conductor [13].

Any

separation (Pass)

Cut-off for (Stop)
h<)/4 \
\ PMC

(b)

Fig. 3. E-field propagation of a waveguide with different
constructions on the top and bottom surfaces. (a) A PEC
top surface and a PEC bottom surface. (b) A PEC top
surface and a PMC bottom surface.

According to the principle mentioned above, a
metamaterial-based surface with a customized structure

ACES JOURNAL, Vol. 35, No. 5, May 2020

can be designed so that it can appear as a PEC surface
in the interested frequency band where signals can be
transmitted freely, while at the same time, it can also
perform as a PMC surface in a specific frequency band
where undesired signals will be blocked, as shown in Fig.
3. Therefore, a filtering function with pass-band and
stop-band characteristics simultaneously is possible to
be realized in a single waveguide.

B. Analysis of the filtering waveguide

According to the principle described in last sub-
section, the filtering waveguide can be established in the
form of the configuration as shown in Fig. 1. To properly
realize the PEC and PMC functional transformation in
desired and undesired frequency bands, a metamaterial-
based surface consisting of periodic metallic bars is
adopted and integrated to replace one of the waveguide
broad-wall. The proposed filtering waveguide is designed
in Ku-band operation. The EM model is analyzed
and optimized in CST Microwave Studio® [14]. The
transmission coefficient (characterized by S»i) of the
designed filtering waveguide is shown in Fig. 4, from
which one can observe that the S, response of the
waveguide in the bandwidth of 12.0 GHz~15.5 GHz, is
almost the same as that of a traditional waveguide, i.e.,
So1 is close to 0 dB due to the low insertion loss of the
waveguide structure. More specifically, the insertion
loss is less than 0.1 dB from 12.0 GHz to 14.5 GHz with
reflection coefficient (characterized by Si1) lower than
-15 dB, which demonstrates good wave-propagation
performance in the pass-band.

On the other hand, there is a large attenuation
appearing in the bandwidth from 16.2 GHz to 17 GHz in
the designed filtering waveguide, as shown in Fig. 4. The
reason is traced to the phenomenon that the proposed
metamaterial-based surface operates as a PMC layer at
the bottom of the waveguide in this frequency band, so a
stop-band is obtained.

To further illustrate the pass-band and stop-band
performance of the proposed filtering waveguide, the
E-field distribution at different frequencies inside the
waveguide is shown in Fig. 5. In addition, the operating
pass-band and stop-band of the filtering waveguide can
be easily adjusted via properly choosing the parameters
of the metamaterial-based surface. For instance, the
height (h) and the width (w) of the metallic bars can be
tuned to meet different requirements. As shown in Fig.
6, the stop-band moves to lower frequency band as the
height of the metallic bar becomes larger while the other
parameters are kept unchanged. Similarly, as the width
of the metallic bar increases, the stop-band becomes
wider and shifts slightly to the lower frequency band at
the same time. All of the above analysis verifies the
proposed structure is a simple but efficient approach to
function a desired filtering response in a waveguide.
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IV. EXPERIMENTAL RESULTS

To prove the feasibility of the proposed filtering
waveguide, a prototype waveguide has been fabricated
by using 3D printing technology and tested with vector
network analyzer (VNA) in laboratory. The prototype is
3D printed in aluminum via the metal printing process
called direct-metal-laser-sintering (DMLS) [15], [16],
which can greatly reduce or even eliminate any assembly
and alignment errors from traditional machining process.
The final test model is assembled by the proposed
waveguide and two standard WR-62 coaxial-to-
waveguide adaptors at both ends of the waveguide, as
shown in Fig. 8. The measured S-parameters results of
the filtering waveguide is presented in Fig. 9. As can be
seen from the figure, the measured results are in good
agreement with the simulated ones obtained from
simulation environment. The pass-band and stop-band
are roughly locating at the same range as the simulation,
indicating that the designed filtering waveguide is indeed
feasible in a compact waveguide volume. In addition,
from the test results, it is observed that the stop-band
is slightly narrower than the simulated one, which is
mainly caused by minor tolerances on certain key
structural parameters of the metallic bars during the
DMLS manufacturing process. At the same time, as the
internal surface and structure of the prototype are hard to
polish while a planar surface with PEC surface is set in
simulation, some uneven places can be observed in the
waveguide, which introduces several amount of insertion
loss into the filtering performance. Further fine post-
processing on the surface roughness of the prototype will
help improve the filtering response.
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V. CONCLUSION

A new type of filtering waveguide is proposed
in this work. The filtering waveguide is configured by
a conventional rectangular waveguide and periodic
metallic bars as the metamaterial-based surface,
functioning as a PEC in pass-band while PMC in stop-
band. The operating principle and design process have
been illustrated. A 3D printed prototype was tested and
the overall test results well agree with the simulated
ones. The proposed design is also easily for customizing
to different frequency bands’ application by adjusting
certain structural parameters, which makes it more
applicable to various advanced communication systems.
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Abstract — In this paper, a new wideband and compact
three-segment composite dielectric ring resonator (DRR)
antenna excited by an axi-symmetric coaxial monopole
has been introduced. The proposed antenna has been
investigated numerically and experimentally for enhanced
impedance bandwidth. At the lowest operating frequency,
the presented antenna has a footprint area of just 0.164,
x 0.164,. According to the measurement results, the
antenna offers a fractional impedance bandwidth equal
to 159% with 8dBi peak gain. The antenna provides
symmetrical and stable monopole like radiation pattern
over the entire impedance bandwidth. With such
performance, the suggested antenna can be usefully
employed in different wideband applications such as
electromagnetic interference (EMI) and defense
applications.

Index Terms — Dielectric resonator, hybrid monopole
antenna, wideband antenna.

1. INTRODUCTION

Designing an ultra-wideband monopole antenna
with stable radiation patterns by using an electric
monopole (MP) with dielectric ring resonator (DRR)
has received great interest from researchers. The first
research study in this field was made in 2002 by
researchers from Canada by experimentally studying a
configuration of a MP loaded by an annular DRR [1]
which showed a simulated impedance bandwidth of
100% [2]. Such wideband behavior was due to the

Submitted On: February 7, 2020
Accepted On: April 4, 2020

excitation of three resonant modes. The lowest and
highest resonance frequencies are generated by the MP
and the excitation of the TMoi; mode of the DRR,
respectively. While the coupling between the MP and
DRR is responsible for generation of the intermediate
resonance. A useful design guideline for the wideband
MP-DRR antenna was developed by Guha et al. [3].
After that, many research groups developed several
hybrid configurations of an electric monopole and a
DRRs over a period of time [4-10]. The impedance
bandwidth was enhanced to 110% in [4] by using inverted
cone-shaped DRR. Similar impedance bandwidth in
[4] was reported in [5] but by using a MP with a
configuration of ‘T’-like shape. In [6], a pawn-like shape
DRR has been explored by stacking a conical and
hemispherical ring. Impedance bandwidth of about 122%
was obtained by using such configuration. Table 1
summarizes the chronology of bandwidth enhancement
of hybrid monopole antenna. Till the date, the maximum
reported impedance bandwidth being 137-140% [8-10].

In this paper, three-segment composite dielectric
ring resonator are stacked and excited by a coax-fed
cylindrical monopole. The proposed antenna exhibits an
ultra-wide impedance bandwidth compared to earlier
studies in the literature as listed in Table 1. About 159%
(8.6:1) fractional bandwidth is experimentally obtained
with a constant monopole like radiation over the entire
frequency range. The simulation study of antenna
has been performed through Computer Simulation
Technology (CST) which is a 3D electromagnetic
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simulation software. Details of the proposed antenna
design and simulated current distributions are discussed.
The prototype of the antenna has been fabricated and

AL-AZZA, MALALLA, MORSY, HARACKIEWICZ: THREE-STACKED DIELECTRIC RING RESONATOR

tested. The measured results are compared with the
simulated ones and a good agreement is revealed.

Table 1: Reported bandwidth enhancement techniques of hybrid monopole antenna

Structure Investigated Year | DRR Unit Reg)?{ac:'\fces (PerE{:r:';oBW)

Annular ring DR excited by electric monopole [2] | 2005 1 3 3:1 (100%)
Inverted conical DRA loaded monopole [4] 2008 1 4 3.5:1 (111%)
Annular DRA excited by T-shaped monopole [5] | 2008 1 4 3.5:1 (112%)

Pawn shaped DRA loaded monopole [6] 2009 2 4 4:1 (122%)
Hemispherical/conical DR loaded monopole [7] 2012 1 4 4.2:1 (126%)
Stacked conical ring DR loaded monopole [8] 2013 2 5 5.4:1 (138%)
Stacked annular ring DR [9] 2014 2 6 5.6:1 (140%)
Three-segment composite DR [10] 2017 3 6 5.4:1 (137%)
Proposed design - 3 9 8.6:1 (159%)

I1. ANTENNA GEOMETRY AND DESIGN

The design clue of the proposed composite antenna
has been extracted from the earlier studies [3], [8] as
depicted in Fig. 1. By placing an annular ring on the top
of two stacked conical DRs, the operating bandwidth is
enhanced as a result of increased number of resonance
modes. The proposed antenna introduces nine monopole-
like resonances, which is four additional resonances
above those provided by [8]. The details of the antenna
configuration are given are in Fig. 2. The probe of the
Pasternack’s PE4434 commercial SMA connector is used
as a cylindrical MP with a radius (r) equal to 0.65 mm.
The coaxial feed and the MP share the same rotational
axis of symmetry (the z-axis). The value of MP length
(£) can be determined as ¢ = A,/4, where A, is the
wavelength at the corresponding dominant mode of the
monopole. The MP is loaded by three vertically stacked
annular dielectric elements. All DRs are made up by
using Eccostock ceramic based dielectric material with
permittivity equal to 10. Selecting a material with higher
dielectric constant could degrade the bandwidth and the
radiation of the antenna as discussed in [7]. A cylindrical
hole of radius Ry, is drilled through the center of the three
DRs. The value of the coupling between the MP and
the stacked DR elements is determined by the spacing
distance of the air gap between the MP surface and the
internal face of DRR structure. Spacing parameter can be
determined as s = R, — r. The overall performance of
the antenna can be deteriorated with higher values of s.
The best choice for the parameter s is selected according
tor <s<2r.

A copper plate with dimensions of 40x40 mm?and a
thickness of 3 mm is used to place the designed antenna.

Y T

First hybrid annular  Stacked conical DR [8]
DR [3]

New proposed
composite DRA

Fig. 1. Proposed antenna configuration as a combination
of other design shapes.

MF"\A ¥ - 21

DR3
DR2
DR1

[Ground plane

Fig. 2. Proposed antenna configuration.

The base radius of conical dielectric resonator is
selected according to:

R, = 47.713 x Re(K,a)/f. , 1)
where R; is in millimeter, and f; is in GHz which is
the mid frequency between the fundamental resonant
frequency of quarter wave MP and the first higher
resonant mode of MP due to the conical DR. Re{Ka} is
the real part of the Koa, and its value depends upon the
permittivity of the DR [7] as shown in Table 2.
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Table 2: Re(K,a) of the dr resonant mode with respect to
permittivity

& | Re(k,a)| &. | Re(k,a)| & | Re(k,a)
2 3.182 25 0.842 60 0.567
4 2.246 30 0.779 65 0.546
6 1.834 35 0.728 70 0.527
8 1.588 40 0.685 75 0.510
10 1.420 45 0.649 80 0.494
15 1.160 50 0.618 85 0.480
20 0.922 55 0.591 90 0.467

By using the hemispherical counterpart of the
conical DR, its height can be calculated as

h= /Rf — R,%.
The height and radius of the cylindrical DR can be
estimated as [3]:
0.4¢, < h, <0.5¢,

R. =R, /03, 2)
where #, is the value of the MP length starting from the
base of the cylinder to the top end of MP.

To improve the impedance bandwidth, an extensive
parametric study is performed to select and tune the

parameters of the antenna. Table 3 lists the finally
optimized dimensions of the proposed antenna.

Table 3: Geometry details in millimeters of the proposed
antenna

Physical Dimension Value
Conel (Base radius R1, Top radius Ra,

height h;) (45,2,3)
Cone2 (Base radius Rs, Top radius Ry, 4.5, 2,
height hy) 1.42)
Cylinder (radius R¢, height h¢) (3,5)
Inner radius of DRs (R},) 1.5
Monopole radius (r) 0.65
Monopole length (£) 12

1. SIMULATIONS AND MEASUREMENTS
All nine distinct resonances of the antenna are
individually studied to investigate the operation principle
of the antenna. Figure 3 shows the magnitude of the
reflection coefficient characteristics of MP alone, DRR
alone, and the suggested antenna. The MP loading effect
with different dielectric elements is also studied and
depicted in Fig. 4. The fundamental and the first higher
order mode resonances of the monopole occur at 5.7 GHz
(£ =\M4) and 16 GHz (€ =3M\/4), respectively as shown
in Fig. 3. The intermediate resonances which occurs at
around 10.3 GHz and 13 GHz are due to the loading
effect of the cylindrical DR as it is clearly observed in

ACES JOURNAL, Vol. 35, No. 5, May 2020

Fig. 4. The dielectric configuration loads the MP in such
a way that the MP has effective length (£.;;) less than
the actual length at these two frequencies. Additional two
resonances are identified at 24 GHz and 35 GHz. The
fundamental TMy;; resonance of the DR is clearly
observed at 24 GHz. While a higher order mode is present
in the DR configuration at 35 GHz. Third and fourth
higher modes of the MP are observed at 30 GHz (£ =5)\/4)
and 38 GHz (£ =7\/4), respectively. Finally, an extra
resonance is obtained at 43 GHz where the MP height is
approximately a complete wavelength.

5, B

S 10 15 l-l:l 25 30 35 40 45
Freguency (GHe)

Fig. 3. Magnitude of the reflection coefficient of: MP,
DRs excitation only, and proposed antennas.

= (=111
ra
(=]

T T T T T T T T
5 10 15 20 25 30 35 40 45
Frequency | GHz)

Fig. 4. MP loading effect with different blocks of DR.

Table 4 lists the observations of the magnetic field
distributions for all nine resonant frequencies which
clearly support the explanations that concluded from the
magnitude of the reflection coefficient response of the
antenna.



Table 4: Identification the nature of resonant modes in
the proposed antenna

Magnetic
Field
Distributions

Frequency

(GH2) Observations

Resonances

]

Excitation
of a quarter
wave MP

1% (fy) 5.7

Excitation
of a quarter
wave MP
with
feff: 0.8¢

20 (f,) 10.3

Excitation
of a quarter
13 wave MP

with
Lorr=0.6¢

3rd (f3)

1%t higher
order mode
of MP

4 (f,) 16

TMo: mode

5" (fs) 24 in DRs

2" higher
order mode
of MP

6 (o) 30

1%t higher
order mode
of DRs

7th (f7) 35

Weak 2nd
higher order
mode TMozs

of DRs

3 higher
order mode
of MP

8t (f5) 38

ot (fo) 43

The proposed antenna was fabricated to corroborate
the simulated results. Figure 5 shows the photograph of
fabricated antenna. To measure the fabricated antenna,
HP 8510C vector network analyzer has been calibrated
over the frequency range from 4 GHz to 45 GHz to
observe the impedance bandwidth response of the
antenna. Synthetic adhesive is used to fasten the DR
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structure on the metal plane. Figure 6 shows the
measured and simulated magnitude of the reflection
coefficient characteristics of the antenna indicating a
close agreement between them. About 159% measured
bandwidth centered at 24 GHz is achieved, indicating
more than 8.6:1 ratio bandwidth. Compared to all
previous published works that mentioned in Table 1, the
presented antenna offers the widest impedance
bandwidth.

Fig. 5. Prototype fabricated antenna.

8, (dB)

—r—Simmlated

a5 1\ J2a s r2d
P T T T T T T

T
5 10 15 20 25 30 35 40 45
Frequency (GHz)

Fig. 6. Simulated and the measured magnitude of the
reflection coefficient for the proposed antenna.

The radiation patterns of the antenna at different
resonant frequencies covering the entire band are shown
in Fig. 7. A single vertical plane (xz-plane) is used to
investigate the radiation characteristics of the antenna
since the antenna has vertical symmetrical configuration.
Generally, radiation patterns of wideband antennas are
varying with the operating frequency. However, and as it
can be noticed in Fig. 7, the monopole-type radiation
pattern is evident over the entire impedance bandwidth
with a maximum gain of 7.8 dBi. The radiation patterns
are measured at 5.7 GHz and 10.3 GHz and compared
with the simulated ones as shown in Fig. 8, and a good
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mutual agreement is revealed.

Gain (dB1i)

401907

Fig. 7. Gain patterns of the proposed antenna along the
xz-plane at different frequency points.
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Fig. 8. Radiation field pattern for the antenna under test
obtained at: (a) 5.7 GHz and (b) 10.3 GHz.

V. CONCLUSION

A wideband hybrid monopole antenna has been
proposed and investigated. The operational concept of
the antenna was described, and its performance for
ultra-wideband wireless applications was examined. The
antenna has been fabricated and tested to validate its
computed performance. The measured results indicate
that the proposed antenna recorded the highest bandwidth
value achieved so far of about 159%, covering a frequency

ACES JOURNAL, Vol. 35, No. 5, May 2020

from 5 to 43 GHz along with consistent radiation pattern
and peak gain of 7.8 dBi. With such performance, the
proposed antenna can be utilized for wide range of
applications such as ultra-wideband communications and
EM wideband sensor.
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Abstract — An narrow-band energy-selective surface
(ESS) in L-band is presented for airborne GPS antenna
protection. Periodic square metal inlaid with circular
ring gap is designed and loaded with pin diodes
to obtain the energy selection characteristics. the
parameters of unit structure are determined with
optimization. By simulation, we know that the insertion
loss is less than 3dB and the shielding efficiency is
more than 30dB. Using the method of equivalent test,
we experimentation verified that the proposed ESS
structure can be used for airborne GPS antenna
protection

Index Terms — Circular ring gap, energy selective
surface, pin diodes, self-actuated protection.

I. INTRODUCTION

Around 1960, EMP began to receive the attention
of the military. EMP weapons have been developing
rapidly [1]. At the same time, the electromagnetic
protection structure based on frequency selective
surface has been developed, such as hybrid radome,
band stop filter, etc. [2]. FSS is widely used, such as
antenna array decoupling and beamforming [3-6].
However, although FSS can effectively reduce the
electromagnetic pulse outside the passband, it can’t
protect the pulse inside the passband. This led to the
emergence of ESS. ESS is a kind of self-adaptive
protection structure which using the structure of FSS
controlled by the electric field sensitive device, it can
pass the low-power signal and shield the high-power
signal in the same frequency band.

At present, using diode as the energy selective
surface design of electronic control device is the
mainstream practice. Corresponding to the on state and
off state of diode under the excitation of induced
voltage, ESS also have two states of high-power state
and small signal state. As the name suggests, high
power state is to use the band stop characteristic of FSS
to protect the strong electromagnetic pulse, and small
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signal state is to use the band-pass characteristic of FSS
to ensure that the small signal can pass normally. In fact,
ESS is FSS which can adaptively switch the above two
states. When ESS is irradiated by the high power
electromagnetic pulse, the electronic characteristic
structure of ESS will be changed from the band-pass
structure (small signal state) to the band stop structure
(high power state) in the most ideal situation. There are
two main design ideas in ESS using diode. One design
idea is based on band stop frequency selection surface.
When ESS is in small signal state, resonance frequency
should be far away from working frequency band to
ensure normal passing of small signal. When ESS is in
high power state, resonance frequency should be
consistent with working frequency band to shield large
signal pulse. The cross strip structure designed by this
design idea has been proved to have good performance
in [7]. However, this design idea also has disadvantage,
in order to keep the resonant frequency as far away
from the working frequency band as possible, it is
necessary to make the unit very small, which will make
the diode number of the whole ESS become a lot,
resulting in processing difficulties and high costs.
Another design idea can effectively avoid this problem
that is based on a band pass frequency selection surface.
When ESS is in small signal state, resonance frequency
should work in working frequency band to ensure
normal passing of small signal. When ESS is in high
power state, resonance frequency should far away from
working frequency band to shield large signal pulse.
Because the working frequency of the antenna is in the
L-band, the size of the unit is generally large, and the
diodes used in each unit will not increase too much, so
the diodes used in the whole ESS are greatly reduced.
The structure proposed in this paper is designed
according to the second design idea, and its advantages
of low cost and easy processing will be seen below.

In this paper, an ESS in L-band is designed and
optimized. Electromagnetic simulations are carried out
by CST Microwave Studio and the results show that the

1054-4887 © ACES



presented ESS structure has good performance in 1.5-
1.57GHz. The proposed structure has small size and
simple structure, which is easy to applicated.

1. ESS UNIT AND ANALYSIS

A. Structure introduction

The unit of ESS designed in this paper is shown in
Fig. 1 and Fig. 2. It consists of a square metal surface
inlaid with a circular ring gap. The ring gap structure
has band-pass characteristics. The resonance frequency
is determined by choosing the appropriate unit size.
Connect 4 diodes across the gap. In this way, when it
is not enough to trigger the small signal of diode
conduction to pass through, it can be ensured to pass
normally by the same characteristics. When a large
signal is incident, the diode turns on and the ESS
switches to the high power state.

As is shown in Fig. 1 and Fig. 2, the parameters are
side length equals to 46.6 mm, r = 21 mm, patch = 46.4
mm, h = 0.7 mm and gap = 1.5 mm. The dielectric
board material is FR4, the dielectric constant is 4.3, the
patch metal is pure copper. Based on the principle of
small transmission coefficient in forward bias and large
transmission coefficient in reverse bias, by comparing
the S parameter of diodes, we finally choose BAP70-
03.

Fig. 1. Structure of ESS unit.

sidelength

sidelength

»
>

<
<

Fig. 2. ESS unit front view and side view.
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B. Simulation results of CST software

For the convenience of simulating diode in CST,
we choose the diode equivalent model in [8-12] which
is shown in Fig. 3, where the boundary is unit cell.

S T B

Fig. 3. Diode equivalent circuit.

And then, the S-parameter data of the selected
diode is imported into ADS, confirming that it is
consistent with the datasheet. Then, we establish the
diode equivalent circuit model. By using the
optimization function of ADS software, the equivalent
circuit of the diode in the reverse and forward biases is
obtained in Fig. 4 and Fig. 5.

28.112 kOhm
122.472 fF

i

202.297 Ohm

2.48954 nH
7.33115 mF

Fig. 4. Disconnected state equivalent circuit.

1.16662 Ohm
1.35204 nH

Fig. 5. Conduction state equivalent circuit.

Take the equivalent model into CST, and get the
Transmission coefficient and shielding effectiveness
curve as shown in the Fig. 6. In the simulation, we
found that the number of the diodes will affect the
performance of the ESS. If many diodes are used in the
ESS, the transmission performance will get worse,
while the shielding behaviour will get better, and vice
versa. Thus, we give an example in Fig. 2 to discuss the
design of the ESS.

The incident angle has an effect on the bandwidth,
resonance frequency, transmission performance,
shielding performance and other indicators of ESS. In
practical application, the incident direction cannot
always be vertical, so to study the stability of ESS
performance at large angle of incidence, the incident
angle was set from 0° to 45°.The results are shown in
Fig. 7 and Fig. 8.
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and Fig. 8, with the increase of incident angle, the
insertion loss and shielding coefficient increase slightly,
but the consistency is wonderful. So far, after simulation
and optimization, we have determined that the size of
the cell is 46.6mm =~ 0.215, and each cell uses four
diodes. The design of ESS has been completed.

111. EXPERIMENTAL VALIDATION

A. Fabrication and experiment

To verify the performance of ESS, a prototype
including 7x7 cells is fabricated as shown in Fig. 9, and
a 15mm space is reserved around the patch to fix the
printed circuit.

B. Test Result

According to the shielding effectiveness
measurement method of electromagnetic shielding
materials mentioned in military standard GJB6190-
2008, build the test block diagram as shown in Fig. 10
and the test environment as shown in Fig. 11 and Fig.
12.

Because it is very difficult to produce EMP, the
proposed test method is to use two test boards that
have been processed, manually change their working
conditions, and then use the low-power incident wave
for testing. The diode on one test board does not do any
processing, which is considered to work in the wave
transmission state. The other uses solder instead of
diode to simulate the shielding state. The test results are
as shown in Fig. 13.

T

%

YOYOYO

Fig. 9. Photograph of the ESS prototype

vector network analyzer

transmitting

As shown in Fig. 6, it can be seen that the
bandwidth of 30 dB shielding coefficient is about 210
MHz. the insertion loss is less than 2dB. From Fig. 7

A 4

antenna

ESS

receiving
antenna

Fig. 10. Test diagram.




Fig. 11. Test environment (front side).

Fig. 12. Test environment (back side).
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Fig. 13. Insertion loss and shielding effectiveness at
normal incidence.

From Fig. 13, it can be seen that the shielding
curve reaches 29.69 dB at 1.565 GHz. At this time, the
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insertion loss is about 2.2 dB, which generally meets
the design requirements. Comparing the simulation Fig
6 with the test result Fig. 13, it can be found that the
center frequency of the shielding effectiveness stopband
is shifted about 200 MHz to the high frequency
direction. This is because the diode will have an impact
on the resonant frequency point. Replacing the diode
with solder will cause the resonant frequency point to
move.
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Fig. 15. Shielding effectiveness varies with the incident
angle.

Next, verify the stability of ESS at large angle of
incidence, and the test results are shown in Fig. 14 and
Fig. 15. From the test results, it can be seen that at the
working frequency of 1.565 GHz of the Airborne GPS
antenna, the insertion loss slightly increases with the
incident angle increasing, but it still does not exceed 3
dB, and the shielding efficiency is not less than 30 dB,
which is in line with the expected effect, which proves
that the designed unit structure has practical value and
theoretical guidance significance.

554



555

1V. CONCLUSION

A narrow-band ESS in L-band is presented in this
paper. The proposed ESS has an operating frequency at
1.565 GHz and operating band from 1.49 GHz to 1.68
GHz. Diode equivalent circuit model was used for
simulation. On this basis, we verify the stability of large
angle incident. Both simulation and experiments result
show that the insertion loss of the structure is less than
3 dB at 1.565 GHz, and the shielding efficiency is more
than 30 dB, which meets the design requirements. It
can be used for high power microwave protection of
Airborne GPS antenna. In the future, we will consider
the application for circular polarization antennas [13]
and use the adaptive method to control the diodes [14-
15] for array applications [16].
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Abstract — In this paper, a compact wideband MIMO
directional antenna array with a single-layered meta-
material is proposed to realize high isolation. The meta-
material decoupling structure, which is composed of
a modified split-rings and a square loop structure, is
suspended over the two antenna elements to reduce the
mutual coupling. The achieved results show that the
proposed antenna array owns a —10 dB impedance
bandwidth ranging from 85 GHz to 11.5 GHz.
Furthermore, by loading the proposed meta-material
superstrate over the two-element MIMO antenna, the
designed MIMO antenna array not only has good
performance but also enhances the isolation to be more
-15 dB within the operating frequency band. In
addition, the performances of the proposed antenna
array are also tested by radiation pattern, gain, envelope
correlation coefficient, diversity gain, total active
reflection coefficient and so on. Therefore, these
simulation results prove that the proposed wideband
MIMO directional antenna array is a suitable candidate
for X-band communication.

Index Terms — Directional, high isolation, low mutual
coupling, low mutual coupling, meta-material, MIMO
antenna, wideband, X-band.

I. INTRODUCTION
The X-band (8-12 GHz) of the radio spectrum
is used in many applications including satellite
communications, and radar [1-3]. To improve the link
quality at X-band, it is often desirable to use directional
antennas for their higher gain, narrower beam width,
and better interference tolerance [4]. Meanwhile,
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wideband technologies have also received extensive
attention for their ability to support higher data
transmission and multi-channel connectivity [5]. When
the channel bandwidth is large, however, multipath
fading can degrade of channel capacity [6]. Multiple-
input multiple-output (MIMO) technology has been
proposed to overcome some of these problems. Because
multiple data signals can be transmitted simultaneously,
MIMO  technology can enable high-capacity
communications without increasing the bandwidth or
signal-to-noise ratio (SNR) [7,8]. Thus, combining
wideband technology with MIMO technology has
become a research focus, and will play an important
role in the future wireless communications [9-11].

In addition, owing to the increasing demand for
miniaturization and portability of modern wireless
communication devices and the increased number of
antennas in MIMO systems, the antenna array structure
is becoming more and more compact. However, the
close proximity of antenna elements will cause strong
mutual coupling between the antenna elements. Mutual
coupling in an MIMO antenna array is mainly due to
three factors: (1) surface wave, (2) coupling between
the adjacent feeding lines, (3) coupling caused by space
electromagnetic field [12, 13]. If the mutual coupling
effect is not considered in the MIMO wireless
communication system, it may cause antenna
performance deterioration [14, 15]. Therefore, it is
essential to give a solution to reduce the mutual
coupling effect.

Several techniques have been proposed to mitigate
mutual coupling in arrays. These techniques can be
broadly categorized as the following:

1054-4887 © ACES
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(1) The neutralization line techniques: in this
method, the two antenna elements are connected by
a microstrip line, and the phase of current passing
through this microstrip is opposite to the phase of
equivalent current of the mutual coupling, thereby
achieving the decoupling effect [16-18].

(2) The defected ground structure (DGS)
techniques: in [19-21], the DGS is etched in the ground
plane between microstrip patch antennas to change the
distribution of effective substrate permittivity and the
distributed inductance and capacitance of microstrip
line to reduce mutual coupling.

(3) The parasitic element decoupling techniques: in
[22-24], the researchers use the indirect coupled field
generated by the parasitic element to cancel the direct
coupling field to weaken the mutual coupling.

(4) The pattern and space diversity techniques: in
[25-27], the antennas are placed in an orthogonal
fashion to reduce the mutual coupling by taking
advantage of the polarization orthogonality.

(5) The meta-material decoupling techniques: in
[28-30], the electromagnetic band gap (EBG) structures
are placed between two antenna elements to increase
the isolation. In [32—33], meta-surface walls are inserted
between the two antennas to reduce the mutual coupling.

A disadvantage of these methods is that they
invariably occupy a large space between the two
antenna elements, which is contrary to the trend of
miniaturization.

Placing a meta-material superstrate above the
antennas presents a viable solution to reduce the
coupling between the two antenna elements while
ensuring the miniaturization of antenna [34, 35]. As a
two-dimensional periodic artificial structure, the meta-
material is a structure in which plurality of slot cells or
ideal conductor patches are distributed in a plane with a
specific arrangement [36]. The meta-material superstrate
has been used in many antenna applications, such as
gain enhancement [37], radar cross section (RCS)
reduction [38], radar radome [39], polarization converter
[40], and microwave absorber [41]. Thus, various
configurations such as patch, square loop, circular ring
and slot shapes have been used to design the meta-
material superstrate. However, most of the meta-
materials are utilized in the field of narrowband antenna
developments because the bandwidth of meta-material
is limited [42]. Traditionally, the bandwidth of meta-
material can be broadened by cascading multiple
substrate layers [43, 44]. But this method increases the
overall thickness, complexity and cost of fabrication.

In this paper, a meta-material based mutual
coupling reduction structure is proposed and
demonstrated. As a proof-of-concept example, a single-
layered meta-material superstrate is suspended over
a two-element patch antenna array working in the
frequency of 8.5-11.5 GHz. We demonstrate that the
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proposed meta-material structure can enhance the
isolation between the two patch elements, resulting in a
low mutual coupling of less than -15 dB.

The organization of the rest of the paper is as
follows: In Section Il, the evolution process and the
final optimized configuration of MIMO wideband
directional antenna array and meta-material superstrate
are proposed. Section Il demonstrates the simulated
results and analyzes the characteristics of optimized
wideband MIMO directional antenna array. Finally, a
conclusion is made in the last section.

Il. DESIGN OF THE PROPOSED ANTENNA
ARRAY
Figure 1 shows the proposed antenna array which
is composed of two layers including the radiating patch
antenna array and the meta-material superstrate.

- Copper
FR4 - Substrate Top unit——s. g
" =
pe ¥
Metamaterial (: t)/‘
superstrate "5 o~
LD @ -~ - (TS
2y - &y L, (=Y
o) o a<p) T

Bottom unit

hl ‘v LG
' &, Air gap
Z
LY
. X

Fig. 1. Proposed MIMO antenna array with meta-
material superstrate.

Point

Ground Plan

A. Design process of the antenna array

Microstrip patch antennas are widely used because
of their low profile and ease of fabrication. However,
a significant disadvantage of patch antennas is their
narrow bandwidth. In order to improve the bandwidth,
regular microstrip patch monopole antennas have been
modified and optimized in this work. Figure 2 shows
the evolution of the designs (denoted by antenna 1, 2,
and 3, where antenna 3 is the final design used in this
work). Figure 3 shows their respective Si1. The design
starts from Antenna 1 with two identical monopole
antennas, which have only two resonant frequency at 8
GHz and 13 GHz. In order to obtain a wider bandwidth,
two rectangular parasitic patches are added as shown
in Antenna 2. It can be seen that the higher resonant
mode moved from 13 GHz to 12 GHz and impedance
matching has been significantly improved over 10.5—
12.5 GHz. However, the reflection coefficient of
Antenna 2 over 8.5-10.5 GHz is still higher than —10



dB. Then, slot and beveled edge are added into the
patch element to improve the impedance match over
8.5-10.5 GHz as shown as Antenna 3. Figure 3 shows
that the lower resonant frequency shift to 9 GHz and the
bandwidth range from 8.5 GHz to the 12.5 GHz.

parasitic patch

Antenna 1 Antenna 2

Antenna 3

Fig. 2. Design process of the proposed wideband
MIMO directional antenna array.

S11(dB)

30F —&— Antenna 1
—@— Antenna 2
—h— Antenna 3
-40 L L L 1 L L 1
7 8 9 10 11 12 13 14
Frequency(GHz)

Fig. 3. The simulated S;1 with evolution from antenna 1
to 3.

Figure 4 shows the top view and bottom view of
the final design and the critical dimensions of the two-
element patch antenna are presented in Table 1. The
two-element antenna array is integrated on the top of a
FR4 substrate with a thickness of 1.6 mm, a relative
permittivity of 4.4 and a loss tangent of 0.02. The ground
plate acts as a reflector covering almost the entire
bottom surface. The proposed two-element radiating
patch has an overall dimension of 30 x 22 x 1.6 mm®.
Besides, as can be seen from the figure, the edge-to-
edge distance between the two radiating antenna
elements is only 2.3 mm (0.076 Xo, where Ao refers to
the wavelength of 10 GHz in vacuum), which is very
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compact and suitable for use in miniaturized devices.

(a) Top view

d4

[ x

A

(b) Bottom view
Fig. 4. Geometry of the proposed MIMO antenna array.

B. Design of the meta-material unit

It is well known that natural materials do not
have negative dielectric constant (e<0) and negative
magnetic permeability (u<0), but the proper design of
metamaterials allows it to meet both of above these
conditions within the required bandwidth. As we
know, the response of a meta-material structure entirely
depends on the proper design of its periodic cell. Figure
5 shows the proposed single-layered meta-material cell
which consists of two different meta-material structures,
a modified double split-rings and a square loop structure.
The two structures are printed on the two sides of a FR4
substrate with a thickness (h2) of 0.6 mm. To maintain
good isolation over the wide bandwidth, the proposed
meta-material cell is further optimized and the finalized
parameters of periodic cell are presented in Table 2.

In order to obtain the electromagnetic characteristics
of proposed meta-material unit, the meta-material unit
is simulated in HFSS Fig. 6 shows the simulation setup;
the meta-material unit is placed between two floquet
ports and proper boundary conditions including perfectly
electric conducting (PEC) and perfectly magnetic
conducting (PMC) in the x- and y-direction, respectively.
The real and imaginary parts of the S-parameters can be
calculated. In [45], the equivalent permittivity can be
calculated by the S-parameters, which is presented in
formula (1) - (4):
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where k is the wave number of free space, d is the
thickness of meta-material unit, n is the refractive index,
z is the wave impedance, ¢ is the equivalent permittivity
and u is the equivalent permeability.

Table 1: The parameters of antenna (Unit: mm)
Parameters | W | W1 | W2 | W3 | W4 | W5
Values 30 3 |117| 26 | 44
Parameters L L1 L2 L3 L4 L5
Values 22 | 108 | 11 2 2 2.5
Parameters h dl d2 d3 d4

Values 16 | 23 | 18 | 06 | 20

a

T
N

(b) Bottom view

(a) Top view
Fig. 5. Configuration of the meta-material cell.

Table 2: The parameters of meta-material cell (Unit:

mm)
Parameters RO R1 WO GO Gl
Values 0.8 2 0.4 0.4 0.4
Parameters Ws Ls Y %
Values 4 0.4 0.6 | 40°

ol

Fig. 6. The electromagnetic model to extract design
parameters.
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Figure 7 shows the extracted equivalent permittivity
and permeability. It is noticed that the unit cell has
both a negative permittivity and a negative equivalent
permeability in entire X-band.

8r —=— Real (¢ )
—&— Imag(s

Equivalent permittivity(s )

Frequency(GHz)
(a) Equivalent permittivity
50 —=— Real ()
—=— Imag(

=

Equivalent permeability(p)
=

6 7 8 9 10 11 12 13 14
Frequency(GHz)

(b) Equivalent permeability

Fig. 7. The equivalent permittivity and permeability of
proposed meta-material unit.
C. Analysis of mutual reduction
performance

The meta-material superstrate contains 3 x 3 unit
cells in the x-axis and y-axis, respectively (Fig. 1). The
distance between the centers of each identical periodic
cells along the x-axis is 7.5 mm, and the distance along
the y-axis is 7 mm. The gap (hl) between the radiating
patch and the meta-material layer is 2.1 mm.

coupling

NSy — ,12—‘ N ;‘-‘. ‘_,\ ;‘\;\u-*g, e
NiZa [
(a) Without superstrate (b) With superstrate

Fig. 8. The radiated field distribution of proposed
MIMO antenna array.

Figure 8 illustrates the working principles of the
proposed mutual coupling scheme. When the antenna I



is excited, a lateral wave Eo el propagates along the x-
axis can cause an induced current on antenna II, thereby
generating mutual coupling between the two antennas.
As shown in Fig. 8 (b), a suspended meta-material on
the antenna array creates a region of negative magnetic
permittivity and permeability:

k? =0’ e, (5)

SJEE-DIS I 1S (6)
2 2 we 2a)y

|Z~§z%@g|ﬁ|2:%wy|H| <0, (7

where k is the propagation constant of electromagnetic

waves, S is poynting vector, ¢ is the permittivity and u
is the permeability.

According to (5) and (7), it can be concluded that
the propagation direction of electromagnetic waves is
opposite to the energy direction, so the electromagnetic
waves propagating along the x-axis direction are
gradually attenuated, thereby reducing the coupling of
two antennas.

—=— 8§11 without meta-material|
—e— S11 with meta-material
404 [~*—S12 without meta-material
—v— S12 with meta-material

i 1

S-Parameters (dB)

8 9 10 11 12
Frequency(GHz)

(a) With/without the meta-material superstrate

0

S-Parameters (dB)

—=—S11 with simulated
—o—S11 with measured

404 —*—S11 with simulated
—¥— 512 with measured
1 1

8 9 10 11 12
Frequency(GHz)
(b) With simulated and measured

Fig. 9. S11 and Si» of the wideband MIMO directional
antenna array.

Figure 9 (a) shows the simulated S-parameters of
MIMO directional antenna with and without the meta-
material superstrate. It is observed that the meta-material
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superstrate not only reduces the coupling between the
two antennas but also improves the impedance matching
of the proposed antenna array. Two resonant frequencies
at 9.2 GHz and 11 GHz can be observed. This allows
the antenna to cover almost the entire X-band from 8.5
GHz. The mutual coupling is reduced by 6 dB and the
resulting leakage between the antennas are better than
-15 dB. The measured values of S-parameters are shown
in Fig. 9 (b) for a comparison with the simulated values.
There is a good agreement between the measurement
and the simulation. The small difference between the
measurement and the simulation may be attributed to
the fabrication tolerances.

It

—-,—

%” ti |

(c) Without/with the decoupling structure at 11 GHz

Fig. 10. Surface current distribution on the proposed
MIMO antenna array.

To better understand the working principles of the
proposed meta-material superstrate, Fig. 10 plot the
current distribution on the antennas with three selected
frequencies: f; = 9 GHz, f, = 10 GHz, f; = 11 GHz. In
this case, one antenna element is fed, while the other
one is terminated. As shown in the left of Figs. 10 (a),
(b) and (c), the current distributions on the proposed
MIMO antenna without meta-material superstrate is
stronger can creates stronger coupling to the adjacent
antenna element. After placing the proposed meta-
material superstrate above the two antenna elements, it
can be observed in the right of Figs. 10 (a), (b) and
(c) that the surface current on the right antenna is
significantly reduced. Therefore, it is concluded that
the proposed meta-material superstrate can isolate the
coupling between the two antennas.
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111. EXPERIMENTAL VALIDATION

To validate the proposed concept, a prototype
antenna array is fabricated and measured. Figure 11
shows a photo the proposed antenna as fabricated
according to the aforementioned parameters. The
measured results are obtained by the vector network
analyzer (VNA) E5063A.

(c) Top view

(d) Side view

Fig. 11. Photograph of the fabricated wideband MIMO
antenna.

Figure 12 shows the simulated 2D radiation
patterns of proposed MIMO directional antenna array
with specific frequencies: f; = 9 GHz, f, = 10 GHz, f; =
11 GHz. Because of symmetry, one antenna element
is excited, while the other one is terminated with a
50 Q load. In Fig. 12, although the patterns of antenna
fluctuate, the measured data and the simulated data are
generally consistent within the allowable errors which
are attributed to imperfections in the measurement
setup. The proposed antenna array exhibits directional
mode of wideband MIMO directional antenna array on
the xoz-plane and the yoz-plane and the maximum
radiation direction is the z-axis direction. It can be
observed that the 3 dB beam-width of xoz-plane are 64°,
62°, 62° and the 3 dB beam-width of yoz-plane are 64°,
64°, 58°, at 9 GHz, 10 GHz, 11 GHz respectively.

In Fig. 13, the gain and efficiency of the proposed
wideband MIMO directional antenna are presented with
meta-material loading. It can be seen that, from 8.5
GHz to 11.5 GHz, the value of peak gain ranges from
5 dBi to 7.2 dBi and the value of radiation efficiency
ranges from 66% to 79%. The maximum gain is 7.2 dBi
at 10.1 GHz, and the minimum gain is 5 dBi at 11.5
GHz. Similarly, the maximum efficiency is 79% at
10.35 GHz, and the minimum gain is 66% at 11.5 GHz.
Moreover, the variation in the gain values is found to
be less than 1.5 dBi and the radiation efficiency is
above 70% in the frequency band of 8.5 GHz-11.3GHz.
However, the gain and efficiency deteriorate rapidly
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after 11.3 GHz, and the reason may be that the
impedance does not match, resulting in part of the
energy to be reflected back on the feedline and not to be
effectively radiated from the antenna.

—B— xor-plane measured

—8— yoz-plane measured
—@— xoz-plane simulated

—@— yoz-plane simulated |
0

180 180

(a) 9 GHz

—B— vor-plane measured

—— xoz-plane measured
- —@— yoz-plane simulated

xoz-plane simulated

(b) 10 GHz

—— yor-plane measured
—@— yoz-plane simulate

—8— xoz-plane measured
—@— xo-plane simlated

104

(c) 11 GHz

Fig. 12. The simulated and measured radiation patterns.

8- - 100

Peak Gain(dBi)
Efficiency(%)

1
Frequency(GHz)

Fig. 13. The Gain and efficiency of the wideband
MIMO antenna array.



To further verify the diversity performance of
proposed wideband MIMO directional antenna array,
the envelope correlation coefficient (ECC), diversity
gain (DG) and total effective reflection coefficient
(TARC) of the proposed design have been calculated
and analyzed.

ECC is defined as a parameter of the level of
correlation between antenna elements, and its value
takes into account the radiation pattern, the polarization,
and the relative phase of fields between them. For the
two-element MIMO antenna system, ECC can be given
as [46]:

* - 2
S11512 + S21822 (8)

(1_|Sn|2 _|821|2)(1_|822|2 _|812|2)

Using the (8), we know that the ECC should be
zero in an ideal situation, which is not possible in a real
propagation world, even in line of site communication.
Theoretically, for good diversity performance, the value
of ECC must be less than 0.5 for mobile communication
devices. In Fig. 14, the obtained value of ECC is less
than 0.01 within the operating frequency band, which
indicates that there is very small correlation among the
antenna elements.

Another important diversity performance parameter
of MIMO communication system is the diversity gain,
which is calculated as [47]:

DG =10x/1-|ECC . ©)

04 q 10.50

10.25

10.00

Diversity Gain(dBi)

envelope correlation coefficient
»
o

Frequency(GHz)

Fig. 14. The ECC and diversity Gain of proposed
wideband MIMO directional antenna array.

Therefore, it can be seen from the (9) that the lower
ECC, the higher diversity gain and vice versa. As shown
in Fig. 14, the diversity gain is approximately 10 dBi
from 8.5 GHz to 11.5 GHz.

Similarly, the TARC can be more accurately
defined as the actual return loss of the entire MIMO
antenna array because it depends on the reflection
coefficients, transmission coefficients and the different
excitation phase angles. For the two-element MIMO
antenna system, the formula for TARC is as follows
[48]:
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Fig. 15. The TARC of wideband MIMO directional
antenna array.

Figure 15 shows the TARC of wideband MIMO
directional antenna with four different phase angles: 0°,
450, 90°, 135°. As can be seen from this figure, the
TARC is below -10 dB from 8.5 GHz to 11.5 GHz at
any angle, which can explain that the excitation phase
angle and the mutual coupling has less influence on the
bandwidth of proposed wideband MIMO directional
antenna array.

Table 3: Compared to other antennas

The Distance The Gap
Ref between the | Bandwidth |lsolation| between the
" | Two Patches (GHz) (dB) | Two Layers
(mm) (mm)
2.8 Narrow band 18
(49| (003420 |(37andan)| <% | (0.219.)
5 7.6% 9
[501) (0.095.) | (56605 | <% | (0.171.)
1 13.3% 4.8
BU| 00197 | 6-64) | <° | (0.086 )
18 15.6% 15
521] 0154 | (23269 | <% | (0.2194)
4.5 11.4% 15
5811 o520 | 3337) | <2 | (0.1254)
This 23 30% <15 2.1
work| (0.076 1) | (8.5-11.5) (0.070 o)

Finally, the performance of the proposed MIMO

antenna array is compared with the other MIMO
antenna array using the same techniques of mutual
coupling reduction in Table 3. In [49], although this
technique can make the coupling further reduced, the
bandwidth is narrow. Furthermore, compare to [50-53],
the proposed MIMO antenna array has a significantly
higher bandwidth than before. In addition, adding
dielectric plate above the antenna will inevitably
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increase the overall profile thickness. In order to further
reduce the thickness, the gap between the two dielectric
plates is only 2.1 mm in this design. In summary, the
proposed antenna has few advantages, such as compact
size, wideband, high isolation and low profile.
Additionally, the MIMO antenna can be minimized like
[54-57] and designed to be circular polarization antenna
[58] or array based on signal processing algorithms [59-
65].

IV. CONCLUSION
In this paper, a novel single-layered meta-material
superstrate is applied for suppressing mutual coupling
of wideband MIMO directional antenna array, where

the two antenna elements are in extremely close vicinity.

The proposed antenna is designed, optimized, simulated
to enhance the performance of antenna. In the entire
operating band spanning from 8.5 GHz to 11.5 GHz,
the mutual coupling is reduced to be -15 dB. Besides, it
can be seen from the radiation pattern that the antenna
has good directivity. Meanwhile, the value of peak gain
ranges from 5 dBi to 7.2 dBi and the value of radiation
efficiency ranges from 66% to 79%, Finally, by
analyzing some parameters such as ECC, DG, TARC,
it can be concluded that the proposed antenna has
good diversity performance. Therefore, the proposed
MIMO antenna array using single-layered meta-material
decoupling structure would be an attractive candidate
for wideband miniaturized wireless communication
systems in the future.
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Abstract — In this paper, a dual-polarized sakura-shaped
base station antenna for the fifth generation (5G)
communication is designed and optimized. The antenna
is mainly composed of four parts: main radiator, feed
structures, bedframe and reflector. By fabricating and
testing of the prototype of the antenna, the results show
that the bandwidth (return loss >10dB) of antenna port 1
and port 2 are 9.2% (3.3-3.62GHz) and 16.5% (3.12-
3.68GHz), respectively. In the entire working frequency
band, the isolation is greater than 23.5dB. Moreover, the
proposed antenna has a stable radiation pattern, and the
horizontal half-power beam width (HPBW) and gain
of the antenna vary within 65£4° and 5.25-6.31dBi,
respectively. The antenna adopts PCB printed structure
and has a compact structure 70x70x28mm3. The
designed antenna has the advantages of low cost, light
weight and good consistency of direction pattern.

Index Terms — 5G, Base station antenna, dual-polarized,
low cost, printed-dipole.

L. INTRODUCTION

With the rapid development of modern
communication technologies, the channel will be
contaminated by various noises that has been suppressed
using channel estimations [1-4], which is realized on
algorithms. For the antenna design, the MIMO antenna
and dual-polarized antenna has been widely concerned
by scholars [5-10] to combat multipath fading and
improve the capacity of mobile communication system
in complex environment. Considering the actual wireless
communications [11-12], the 45° oblique polarization
omnidirectional antenna [11-21] has been widely studied
for base station applications. Not only does the 45°
oblique polarization antenna receive electromagnetic
waves from more directions, but also have higher
diversity gain. Thus, the design of base station antenna
has gradually adopts the form of dual-polarized. For
example, in [12], a wideband dual-polarized antenna
with anti-interference capability has been studied. The
antenna obtained 52.6% (VSWR<L1.5) bandwidth at the
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operating frequency band of 2.27-2.53 GHz and peak
notch bandwidth from 1.68 to 2.68GHz. In literature [11-
12], dual-polarized antennas with simple structure and
wide bandwidth are also developed. From the processing
technology of base station antenna, metal [11-12] and
PCB [12, 18, 21] are commonly used in the design
procedure. Printed antenna has been widely used in base
station because it is simpler and cheaper than metal
fabrication. For example, in [15], two orthogonal placed
dipoles and £45° dual-polarized feeding structures are
adopted to realize broadband operation. The bandwidth
reaches 38% in the working band ranging from 3.3 GHz
to 4.2GHz, and its bandwidth is better than that in the
literature [18, 20]. In [14], the ME dipole antenna not
only embeds the metamaterials of the broadside coupled
E-shaped unit cells into the magnetic dipole, but also
adds two U-shaped patch together with a rectangular
patch to the E-dipole, which can reduce the height of
magnetic dipole and improve the anti-interference
effect, respectively. In the range of 3.32-3.64GHz, the
bandwidth is only 9.2%, which is far less than the
literature [16-17,19]. Thus, the bandwidth is too narrow
to cover the entire sub-6GHz band for 5G applications.
In literature [17,19], the working frequency band of 5G
base station antenna designed can well cover the entire
sub-6GHz frequency band, which are 3.3-3.8GHz, 4.8-
5.0GHz and 3.14-5.04GHz, respectively.

In this paper, a dual-polarized sakura-shaped base
station antenna is developed, principally covering the
frequency band required for 5G (3.3-3.6GHz). The
measurement results of the prototype are consistent with
the simulated results. The designed antenna achieves a
bandwidth of 16.5% over 3.12-3.64GHz, which is wider
than that of the antennas in the literatures [19,21]. The
size of antenna is 0.91X0x0.91%0%0.33%o (Ao being the
wavelength in free space at center operating frequency).
Compared with literatures [15, 20], the designed antenna
is smaller and cheaper. Herein, the antenna is well
simulated, optimized, fabricated and measured to verify
the performance for the practical application of 5G
communication systems.
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II. ANTENNA STRUCTURE

The structure of the dual-polarized dipole-like base
station antenna designed in this paper is shown in Fig. 1.
The antenna is mainly composed of a pair of cross
dipoles with +45°, two microstrip Balun printed with
coupling feedings of height H1, ground plane and a
metal reflector. Two of them are placed vertically and a
164mmx164mmx8mm reflector with side wall is placed,
mainly to enhance the stability and the directivity of the
antenna.

Main radiator

u /%i L L

|

Reflector Bedframe Balun2

GH

Balunl

Fig. 1. Configuration of the proposed antenna.

A

e
Ny

Fig. 2. Configuration of the main radiator.

As shown in Fig. 2, the main radiator of the antenna
is sakura-shaped orthogonal dipoles printed on a 1mm
thick FR-4 substrate with a relative dielectric constant of
4.4. Gaps in the dipole arm can be used as capacitive
loads for good impedance matching. In Fig. 3, Two
crossed substrates are distributed between the main
radiator and reflector, which have I'-shaped feeding lines
on the front side and rectangle patches on the back side.
Two slit orthogonal placement Baluns can not only make
the coupling between the microstrip coupling feeder
small, but also can make the structure stable and easy to
process.

To get the good performance of the antenna,
the antenna was simulated by electromagnetic (EM)
simulation software Ansoft HFSS 15. By reasonably
choosing the geometric parameters, the designed antenna
is able to exhibit good performance. Geometric
parameters of the antenna are displayed in Fig. 1-Fig. 3

CHEN, WANG, DING: A DUAL-POLARIZED SAKURA-SHAPED BASE STATION ANTENNA

and optimized values listed as follows (unit: mm): L=90,
L1=6.9, X2=34, X3=8.5, B4=1.5, Rin=15.5, Rout=16.5,
BW=3, H1=28, w7=1.8, d8=2.52, d4=d6=7, w4=4.6,
d7=11, d3=7.7, w5=1.3, w2=w6=2.4, d2=5.9, d1=5.5,
wl=4.3, GL=164, GH=8, w3=d5=2.8, L5=20.

FR4 substr/atve

<«FR4 substrate

H H1

Feed linel

(a)

slot2 patch

(b)

Fig. 3. Configuration of the Baluns: (a) Balun 1 and (b)
Balun 2.

III. RESULTS AND DISCUSSION

In order to validate the designed antenna, a
prototype of the antenna is fabricated in Fig. 4. The
network analyzer and chamber are used to measure
the developed antenna. The return losses with different
shapes are studied in Fig. 5. Ants.1, 2 and the proposed
antenna are the evolution of the main radiators. We can
see from the figure, the impedance matching of Ant.1
and Ant.2 is not good. By using the slots on the dipole
arms as capacitive loading, the impedance match of the
proposed antenna is improved, and it can cover the entire
frequency band.

Figure 6 shows the simulated and measured S-
parameters results for portland port2. Owing to the
slight discrepancy in the two Balun structures, the
operating frequency bands for portland port2 are not
exactly same. The working bandwidth for portl and
port2 are 9.2% (3.3-3.62GHz) and 16.5% (3.12-
3.68GHz). Since the measurement of the S-parameters is
not obtained in the chamber, the simulated S, is quite
different from measured. The simulation efficiency of
the antenna is about 0.857. However, the measured and
simulated isolations are greater than 23.5dB over the
entire operating frequency band.

Figure 7 shows the peak realized gain of the
fabricated antenna and simulated Si; for different Rin
and Rout. Measured peak realized gain varies from
5.25dBi to 6.31dBi, and beam width of the radiation
pattern is 65+4° over 3.3-3.6GHz. Since there is a slight
difference between the simulated reflector and the actual
reflector, the gain varies is about 0.6dBi. We can see
from this figure, when the value of the Rin increases, the
frequency moves towards the high frequency. When the
value of Rout is 17.5mm, the return loss is best. The
measured and simulated radiation patterns are shown for
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xoz-plane and yoz-plane at 3.3, 3.45 and 3.6GHz in Fig.
8. Owing to the symmetry of the antenna, only the
simulated and measured radiation patterns for portl are
presented in the figure. The measured radiation patterns
agree well with the simulated ones.

Fig. 4. Photograph of the designed antenna.
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Fig. 5. Simulated Si; for Ant.1, Ant.2 and proposed
antenna.
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Fig. 6. Simulated and measured S-parameters of the
proposed antenna.
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The performance comparison between the designed
antenna and the relevant 5G antenna are summarized in
Table 1. To sum up, the antenna is an ideal choice for 5G
base station antenna because of its advantages of strong
structure, low cost, light weight and good consistency of
direction pattern.

Table 1: Performance comparison of 5G base station
antennas with the proposed antenna

Ref Bandwidth G' Size Isolation Cost
(GHz) |@Bi)|  (n0) (dB)

[13] 35'338';;)2 7 | 2x2x042 | <25 | H

[16] ?829% 561 [0.91x0.63x058| - | L

[18] 3'(?;’/;31 105 | 1x1x0.04 <31 | H

Proposed 3(11553;2)8 6.31 |0.91x0.91x0.33| <-235 | L

Note:"-" means not provided; Ao is the wavelength in free
space at center operating frequency.

IV. CONCLUSION

A novel dual-polarized sukura-shaped antenna is
designed, fabricated and measured. According to the
measured results, the proposed antenna achieves a
reflection coefficient lower than -10dB and a minimum
port-to-port isolation higher than -23.5dB over 3.3-
3.62GHz. Furthermore, the antenna shows very stable
radiation patterns with HPBWs varying in 65+4°and
average gain of around 5.84dBi. It has some advantages
that low cost, light weight, strong structure and good
consistency of direction pattern.
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Abstract — The research on cable crosstalk is an
important part of electromagnetic compatibility. The
conventional research on cable crosstalk is mostly for
parallel cables. However, most of the actual transmission
line models are in a non-parallel state. A new method for
the crosstalk prediction of coplanar irregular-placed
cables is proposed in this paper. The method derives the
integral form of the transmission line equation based on
the cascade method. Combined with the cubic spline
interpolation method for the processing of the per unit
length parameter matrix, the crosstalk of the coplanar
irregular-placed cables is predicted. The orthogonal
experiment method is used to find that the distance
between transmission lines has the greatest influence on
crosstalk, followed by height from the current return
plane, frequency, load and length. In order to verify the
accuracy of the new method for crosstalk, the full wave
method is introduced as a comparison method, and
the experiment is introduced as a reference method.
The verification results show that the new method has
higher accuracy for the crosstalk prediction of coplanar
irregular-placed cables, especially in the frequency band
less than 100MHz.

Index Terms — Cascade method, crosstalk, cubic spline
interpolation method, multi-conductor transmission line
(MTL), orthogonal experiment method.

I. INTRODUCTION
In modern electronic systems such as drones, ships
and vehicles, the narrowness of the installation space
and the high speed of the signal lead to the increasingly
serious damage to signal integrity caused by crosstalk
[1]. Therefore, crosstalk suppression of cables is a non-
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negligible component of electromagnetic compatibility
(EMC) [2]. It is of great theoretical and engineering
significance for efficient operation of electrical equipment
to explore the generation and transmission mechanism
of cable electromagnetic crosstalk, and to predict the
crosstalk of the transmission lines [3].

At present, the academic research on cable crosstalk
is mainly based on the coupling of parallel cables. As
early as the 1960s, the coupling formula and the famous
BLT (Baum-Liu-Tesche) equations of three conductors
under different port conditions were proposed [4]. The
analysis methods of the structure of multi-conductor
transmission line (MTL) mainly include full-wave
method and transverse electromagnetic (TEM) field
method [5]. In the crosstalk prediction of cables, it is
further divided into prediction in the time domain and
the frequency domain. Prediction in the time domain
includes finite difference time domain (FDTD) method,
time domain BLT equation method, cascade method
[6-8], and prediction in the frequency domain mainly
includes the moment of method (MOM) [9], modulus
decoupling method [10].

Actually, the type of transmission line also includes
coaxial cable [11], twisted pair cable [12], non-uniform
cable and bundle cable [13-15]. Engineering applications
are divided into optical fiber [16], aviation cable metal
wire [17], vehicle cable [18]. The parameter matrix
extraction method of the MTL includes theoretical
calculation method and experimental method. The
theoretical calculation method includes analytical method
and numerical method [10]. The experimental method
includes the scattering parameter method [19] and the
separation network method [20].

However, most of the actual MTL models are in
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an irregular state. Coplanar irregular-placed cables are
difficult to analyze through the conventional method.
Artificial intelligence algorithm prediction is often used
now, like the BP neural network algorithm [21-22]. The
neural network algorithm requires a large number of data
samples of crosstalk experiments measured at different
frequencies. It is unrealistic to measure the crosstalk of
connected and used cables in most cases. It is highly
probable that the original spatial relative position of the
cable will change during the experiment, causing the
crosstalk characteristics to change again.

The previous research did not make detailed
theoretical derivation and calculation of coplanar
irregular-placed cables crosstalk. Therefore, the method
of crosstalk prediction for coplanar irregular-placed
cables still needs further research.

The rest of the paper is presented as follows. In
Section I, the model of coplanar irregular cables is
studied based on the theory of cascaded transmission
line, and the theoretical integral calculation formula of
the crosstalk is derived. In Section 11, the elements of
the inductance parameter matrix are calculated by the
analytic method and the elements of the capacitance
parameter matrix are solved by the finite element
method (FEM) combined with the cubic spline
interpolation method. And the orthogonal experiment
method is used to compare and analyze the factors
affecting the crosstalk of transmission lines. In Section
IV, a specific coplanar irregular-placed cables model is
analyzed by using the new method, full wave method,
and the experimental method. The conclusions of this
paper are given in Section V.

I1. CROSSTALK SOLUTION OF COPLANAR
IRREGULAR-PLACED CABLES MODEL

A. Regular-placed cable model

The regular-placed cable model in this paper refers
to the parallel MTL model. The per unit length (p.u.l.)
equivalent circuit of the parallel MTL is shown in Fig. 1,
where dz is expressed as an infinitely short transmission
line. The entries li and ljj represent the p.u.l. self-
inductances, the entries I;; and I represent the p.u.l.
mutual inductances. The entries ri; and rj; represent the
p.u.l. resistances. The entries c;i and ¢j; stand for the p.u.l.
self-capacitances, the entries c;j and c;; stand for the p.u.l.
mutual capacitances. The entries gjj and gji denote the
p.u.l. conductances. The coupling effect of the MTL can
be fully characterized by the model with high precision.

The matrix differential equation of the MTL is [10]:

{dU(z) ldz=-Z1(z) @
di (z)/dz=-YU(z)"

Z=R+jol

¥ oorioc @
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where L_J(z) and 1(2) are the voltage and current on

the MTL, respectively. The p.u.l. impedance and the
p.u.l. admittance matrix are represented by Z and Y,
respectively. The impedance matrix Z is composed of the
p.u.l. resistance matrix R and the p.u.l. inductance matrix
L. The admittance matrix Y is composed of the p.u.l.
conductance matrix G and the p.u.l. capacitance matrix
C. The p.u.l. parameter matrix R, L, C and G are
symmetric matrices.

C L@ ndz o ldz 1,(z +dz)
|o+—>—|: rMmmn > i
Ui(2), @ Iijdzt T gi-dzlil Ui(z+d2)
sl v ! »—
j o>»—"11
+ r;dz I;,dz l(z+dz)
Uj(z) = = U (z+dz
J_ . cjdz | cdz] g0z giidzll] i } )
0 o—=t <—0

Fig. 1. Single spiral model.

B. Coplanar irregular-placed cables model based on
the theory of cascade transmission line

For the purposes of research, the coplanar irregular
placed cables model must satisfy the situation of
no twisting or crossing between the wires. Cable
differentiated into m segments is shown in Fig. 2. When
m is large enough, the transmission lines between each
segment are considered to be parallel, and each segment
of the cable meets the parallel MTL theory.

12 i |
L O |
|

|
|

wire 2 |
M 1
H— 1T ]

T i T Tn
|1|T1 wire 1 | | | |

i:O z:d=

Fig. 2. The differential model of coplanar irregular-placed
cables.

Similar to a regular-placed cable, each segment of
the coplanar irregular-placed cables has a corresponding
coupling matrix formula, and each segment has a
parameter matrix Z, Y. For the k-th segment, the equation
is:

{dU (K)/dz =-2, T (k) -

di(k)/dz=-Y,1(k)



where U (k) and T (k) are the voltage and current on the

k-th segment. Zx and Yy are the p.u.l. impedance matrix
and the p.u.l. admittance matrix on the k-th segment,
respectivey.

T

Fig. 3. Coplanar irregular-placed cables equivalent
circuit model.

Assuming that the height of the cable is a constant,
the equivalent circuit diagram is shown in Fig. 4.
Coplanar irregular-placed cables are divided into m
segment (m is large enough).

For the k-th segment of the differentiated cable, (3)
is also acceptable. (3) is further simplified to:

L Ew=T,FW. (4)
dz
where F (k) = {Lli((:))} T, = {_3 _ék]

The matrix F (z) on the k-th segment is left multiplied
by e ™* and differentiated by the length z:

4 emiE @) =o0. (5)
dz
So the integral at [k k +Az] is:
kaz d Tz =
) ¢ F@=0. (6)
Then,
e IE (k+Az)—e M F (k) =0. (7)

The solution of the first-order differential equations
in the k-th segment is:
F(k+Az)=e " F(K). (8)
Since the length of each segment is extremely
short and the z is extremely small after the cable is
differentiated, then Ty can be considered equal to T4,
so there is:
— ’i-ﬁ— - ¢ 2)0z —
Fd) —e 7 FO)=e " "F(0). 9)
Therefore, the solution of the first-order cable
crosstalk can be expressed as:

v@) | d{o —z}d V(0)
{Rd)}exp{é v oo Pllie ) ®
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For regular-placed cables, the Tk of different
segments is equal since each segment has the same p.u.l.
parameter matrix. The electromagnetic matrix formula
can be expressed as:

d
j{o Z}dz:d{o Z] (11)
LY O -Y 0

Similar with the electromagnetic matrix formula
(11) of the regular cable above, the equivalent
electromagnetic matrix Zg, Yq and Tq of coplanar
irregular-placed cables can be expressed as:

Zo={ zdzd, (12)
Yo= [ vaz /d , (13)

0 Z| #0 Z
{2 SHE TR

It is noteworthy that the integral equation can
be solved more accurately when the equivalent
electromagnetic matrix Zq and Yq are calculated by the
function method. Therefore, the solution of the crosstalk
of coplanar irregular-placed cables can be divided into
two steps. The first step is to calculate the equivalent
electromagnetic parameter matrix to make coplanar
irregular-placed cables equivalent to regular cables.
The second step is to predict the crosstalk of coplanar
irregular-placed cables by using the method of crosstalk
prediction for regular cables under ideal conditions.

I11. COPLANAR IRREGULAR-PLACED
CABLES PARAMETER MATRIX AND
CROSSTALK INFLUENCING FACTORS

A. Calculation of coplanar irregular-placed cables
parameter matrix based on cubic spline interpolation

In the crosstalk study of MTL, the resistance and
conductance values of the transmission line are usually
negligible relative to the terminal load resistance value.
The inductance depends on the permeability of the
surrounding medium and is independent of the dielectric
constant of the medium [10]. In practical applications,
the transmission line is usually laid on materials such
as aluminum, copper and PCB (usually FR-4) with
almost constant magnetic permeability. The inductance
parameter matrix L of the n cores MTL on the return
surface can be expressed as:

h1 k2 - Inn

L=ttt (15)
It In2 -+ Inn
i =22, (16)
272' Twi
lj =25 In(1+ Ahih ), 17
27 2

U]
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where i and j are positive integer, and i, je[1,n]. The
permeability of the medium is represented by u. The
heights of the i-th and j-th conductors from the ground
are represented by h; and h;, respectively. The distance
between the i-th and j-th conductor is denoted by s;;. The
radius of the i-th conductor is indicated by rui.

Observing (14), the solution of the equivalent
electromagnetic parameter matrix can be transformed
into the integral calculation of the electromagnetic
parameter matrix.

The inductance parameter matrix is easy to solve its
integral in the form of an analytical form, specifically:

hy 2 -+ I

d ol g Lo ee- |
Ld:jo Ldzzjwjo 21 22 2” dz, (18)
e Ih2 -+ Inn

where Lq equivalent inductance matrix.

However, the capacitance parameter matrix C is
sensitive to the dielectric constant and is difficult to
express with an analytical expression. Therefore, it is
impossible to directly solve the integral of capacitance
matrix C of each differential segment by using a function
method similar to the inductance matrix, such as (19):

) ; CG1 C2 -+ Cpn
Cq =j0 Cdz:jwj0 C? °§2 C§” dz,  (19)
Cn1 Cn2 *+* Cmn
where Cq is the capacitance matrix.

The capacitance matrix of each differential segment
can be solved by ANSYS Q3D based on the finite
element method (FEM), but only the equivalent
capacitance matrix at some specific points on the
coplanar irregular-placed cables can be obtained.
Therefore, this paper combines the cubic spline
interpolation under the condition of no twist to solve the
capacitance matrix integral.

Take the element ci11 in the capacitance matrix as
an example. The distance from the midpoint of each
segment to the starting point is recorded as [z, 22, ..., Z,
Zk+1, ..., Zm-1, Zm], and use the FEM method to solve the
corresponding ci1. The continuous function G(z) on
parameter ca1 is established, G(z)=c11(z) can be expressed
as:

G(2) =G1L(2)*G2(2)++--+Gm(2) (20)

Gk (z) =akz3 +bxz2 +ckz+dk, zelzk,zka], (21)
where k is a positive integer, ke[0, m]. The parameters a,
bk, ¢k and di stand for the coefficients corresponding to
the third to zero terms.

Similar to ci1, other elements in the capacitance
parameter matrix C are treated by this method. The
capacitance parameter matrix C of the cables can be
easily solved by using (19).
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B. Orthogonal experiment on the influencing factors
of the crosstalk

As shown in Table 1, the orthogonal experimental
method is used to qualitatively compare the main
influencing factors of crosstalk (distance between cables,
length of cables, the height of cables from ground and
the terminal load of cables), and add frequency as the
contrast factor. The above factors are divided into four
levels, each of which corresponds to different values, in
which frequency is divided by its order of magnitude
(logarithm).

Table 1: Orthogonal experimental factors

Levels 1 2 3 4
Length/cm 50 | 100 | 150 | 200
Height from the 195 | 25 | 375 5
ground/cm
Distance between 195 | 25 | 375 5
cables/cm
Load/Q 25 50 75 | 100
Frequency logarithm 6 7 8 9

The 16 sets of crosstalk under the regular-placed
cables model are calculated, and the data obtained
are put into the orthogonal table specially used for
orthogonal experiment method. The results are shown in
Table 2.

Length Height | Distance Load Frequency

0.3251
0.3001
0.275

0.2501
0.2251
0.2001
0.1751
0.1051

123412341234123412234
Fig. 3. Main effect diagram of orthogonal experiments.

From the main effect diagram Fig. 4, it can be seen
that in the physical condition of the cable in this paper,
the distance between cables has the greatest influence on
crosstalk, followed by the height, frequency, load, length,
etc. Therefore, the sampling points with large distance
variation between cables should be selected as much as
possible, followed by the height from the ground.

VI.VERIFICATION AND ANALYSIS
In order to describe the convenience of the new



method, two long straight coplanar irregular-placed
cables on the return surface is taken as an example to
verify the effectiveness of this method. The relevant
parameters of cables are shown in Table 3. The
frequency band for solving crosstalk is LIMHz - 1GHz.

Table 2: The orthogonal experiment scheme

Factors
No. | Length/| Height/ |Distance/| Load/ | Frequency | Crosstalk
cm cm cm Q |Logarithm
1 50 1.25 1.25 25 6 -39.834
2 50 25 25 50 7 -27.416
3 50 3.75 3.75 75 8 -27.871
4 50 5 5 100 9 -27.305
5 100 1.25 25 75 9 -31.663
6 100 2.5 1.25 100 8 -20.452
7 100 3.75 5 25 7 -29.243
8 100 5 3.75 50 6 -37.589
9 150 1.25 3.75 100 7 -38.561
10 | 150 2.5 5 75 6 -44.325
11 | 150 3.75 1.25 50 9 -19.866
12 | 150 5 2.5 25 8 -32.028
13 | 200 1.25 5 50 8 -44.025
14 | 200 25 3.75 25 9 -39.620
15 | 200 3.75 2.5 100 6 -37.597
16 | 200 5 1.25 75 7 -17.816
Table 3: Physical parameters of cables
Parameters Values
Cable diameter 1mm
Thickness of insulation layer 0.65mm
The height from the ground 50mm

Length of harness im

Minimum distance between cables 25mm
Maximum distance between conductors 50mm
Relative permittivity of insulation lay 3.5
Relative permeability of conductor 1.0

The important electromagnetic matrices in this
paper include the inductance matrix and the capacitance
matrix. Since the inductance parameter is independent of
the insulation layer, each parameter of the inductance
matrix can be calculated according to the (16) and (17).
However, the capacitance parameter matrix mentioned
in the previous section cannot be directly calculated by
the analytical formula.
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Fig. 5. The self-capacitance (c11 or Cz2).
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Fig. 6. The mutual capacitance (C12 Or C21).

The processing of the capacitance parameter matrix
is as follows. Firstly, the FEM method is used to solve
the capacitance matrix C of different transmission
line distance, and the solution points are 50 points of
equal distance on the transmission line. Then, the
self-capacitance elements c11 and c22 and the mutual
capacitance elements c¢12 and c21 in the capacitance
matrix are fitted by cubic spline interpolation method.
The fitting results are shown in Fig. 5 and Fig. 6. Among
them, the physical parameters of the cables are the same,
so c11=c22. And the parameter matrix C is a symmetric
matrix, so c12=c21.

The calculated equivalent inductance matrix Lq and
the capacitance matrix Cq based on the electromagnetic
parameters of all sampling points are:

1059.7 25.138 11.813 -0.098
La :[25.138 1059.7}nH Co :[—0.098 11.813} F.

(22)
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-

Fig. 7. CST model of coplanar irregular-placed cables.

The full wave simulation of the CST Cable Studio®
commercial software - the transmission line matrix
(TLM) method, an electromagnetic field numerical
method based on the Huygens wave propagation model,
is used to solve the crosstalk results as a reference
standard in this paper. The simulation model of CST are
shown in Fig. 7.

In order to verify the effectiveness of the algorithm,
the experimental bench is set as shown in Fig. 8 and Fig.
9. The experimental equipment mainly includes R&S
ZVL3 Vector Network Analyzer (VNA), a return plane
of a tin-plated copper sheet and two boards for fixing
wires.

Fig. 8. Photo of experiment.

Wooden board Interference line

ol

ZVL3 VNA i HJ
Wooden table =

Fig. 9. Experimental configuration diagram.
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Fig. 10. Far end crosstalk of coplanar irregular-placed
cables.

The crosstalk results solved by different methods
are shown in Fig. 10. The error of some frequency points
are shown in Table 4. In the frequency band of 0.1 MHz -
30 MHz, the error between the new method and the
experimental results is much smaller than the error
between the full wave method and the experimental
results. The maximum error between the new method
and the experiment is -0.58dB. In the frequency band of
30 MHz - 100 MHz, the error of the new method is larger
than the error of the new method in the low frequency
band, but the result of the new method still has higher
precision than the full wave method. In the frequency
band of 100 MHz - 1000 MHz, the new method and
the full wave method are consistent with the trend of
the experimental results, but the error is significantly
increased. In conclusion, the new method has a higher
accuracy for the far end cross of coplanar irregular-placed
cables, especially in the low frequency range.

Table 4: Error solving by different methods

Frequency/ Experiment Full Wave Proposed
MHz Method Method
Value/dB [Value/dB|Error/dB |Value/dB|Error/dB
0.1 -97.53 -9591 | -1.62 | -96.95 | -0.58
1 -77.95 -75.46 | -2.49 | -77.81 | -0.14
10 -60.84 -59.43 | -1.41 | -60.54 | -0.30
100 -61.76 -50.20 | -11.56 | -54.85 | -6.91
1000 -45.10 -28.41 | -16.69 | -28.34 | 16.76

In the high frequency band, the error accuracy
of the new method and the full wave method is
significantly increased because of the non-ideality of the
experimental conditions, such as the transmission line
(the transmission line may not be completely coplanar
due to gravity), the terminal resistance, VNA. Although
each factor alone has little effect on the value of the far



end crosstalk, the effect of all factors on the actual
crosstalk cannot be neglected.

V. CONCLUSION

A new method for predicting crosstalk of coplanar
irregular-placed cables is presented in this paper. The
crosstalk prediction method of coplanar irregular-placed
cables based on the theory of cascade transmission line
and the cubic spline interpolation algorithm is studied
with the research method of regular-placed cables as a
reference. And the orthogonal experiment method is
used to compare and analyze the factors affecting the
crosstalk of the transmission line. The analysis results
show that the distance between the transmission lines
has the greatest influence on crosstalk, followed by the
height from the current return plane, frequency, load,
length. In this paper, the far end crosstalk of coplanar
irregular-placed cables is verified and analyzed by
the new method, full wave method and experiment.
Compared with the full wave method, the new method
has better solution accuracy. Specifically, the maximum
errors between the new method and experiment are
-0.58 dB and -6.91 dB in the frequency band of 0.1 MHz -
30 MHz and 30 MHz - 100 MHz, respectively.
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Abstract — A w-band electronic focus-scanning function,
which is desired for high-resolution fast-speed millimeter-
wave imaging systems, is realized by a reconfigurable
transmitarray antenna (RTA). As a two-layer structure,
each RTA element is integrated with two packaged PIN
diodes symmetrically within a limited area (1.6x1.6mm?).
When a linearly polarized electromagnetic wave incidents
on this reconfigurable element, an orthogonally polarized
transmission wave is generated, with the ability of 1-bit
phase adjustment (0°/180°). Using this element, a 32x2
reconfigurable transmitarray is designed and fabricated
to realize 1-D steerable focal points in a near-distance
focal plane. The measured focal points agree well with
the design, illustrating the feasibility of the proposed
RTA for w-band microwave imaging systems.

Index Terms — Antennas, PIN diode, reconfigurable,
transmitarray, W-band.

I. INTRODUCTION

W-band microwave imaging systems have
advantages of good penetrability and high resolution,
especially suitable for applications of security checking
[1]. For this type of near-distance imaging applications,
the image resolution and scanning rate are two important
objectives. As a core component, a high-performance
low-cost w-band electronically-scanning antenna remains
challenging [2].

By integrating electrically tunable components into
transmitarray element, steerable beams are realized by
RTAs [3]. The low-cost and low-profile features of
RTAs make these antennas promising alternatives for
conventional phased arrays. At w band, liquid crystal
(LC) and micro electro mechanical system (MEMS)
have been applied in reconfigurable antennas [4-5].
However, the switching time, material loss, and
complicated fabrication process are still concerns.
Meanwhile, PIN diode [6], as a common electrical
component, has been applied for RTAs in Ka band [7-8],
and shows promising potential in higher frequency
band. Furthermore, the switching time at nanosecond

Submitted On: January 6, 2020
Accepted On: March 16, 2020

level of PIN diode guarantees fast beam-switching
speed, especially suitable for high-speed imaging
applications.

In this work, a 1-D PIN-controlled RTA is designed
for focus scanning at 96.5GHz. A two-layer RTA
element with switchable resonance structure integrated
with two packaged PIN diodes is proposed to realize
a 180° phase shift. This symmetrical structure can
generate an orthogonally polarized transmission wave
with 1-bit phase shift precisely, overcoming the adverse
effects from uncertain parasitic parameters of PIN diode
and fabrication error of PCB at such high frequency
band. A 32x2 RTA prototype has been fabricated for
steerable focal points at near distance. Measured focal
points match well with calculated results. This antenna
shows a low-cost solution for microwave imaging
systems with high-resolution and high scanning rate.

I1. ANTENNA DESCRIPTION
The antenna consists of three parts: an open-end
waveguide (WR10), a parallel-plate waveguide, and a 1-
D arrays of two-row RTA elements, as shown in Fig. 1.

The waveguides support an incident y-polarization wave.

Each element receives the incident wave, changes the
phase, and then radiates for the x-polarized scanning
focuses. The phase of the transmitted wave can be
adjusted to be 0° or 180° electronically by the RTA. The
element design and the phase distribution for the focus
scanning are presented in this section in detail.

A. Element design and working principle

Traditional RTA elements usually have three or
more layers to achieve enough reconfigurability of
transmission phase [7]. However, these designs require
accurate alignment during assembling layers, which is
challenging at w band. To solve this problem, a novel
RTA element is designed as a two-layer structure that
can be directly printed on opposite sides of one substrate,
as shown in Fig. 2. Being a coupling layer, the first layer
of the element is a rectangular slot. This layer couples a
y-polarized incident electromagnetic wave to a U-shaped

1054-4887 © ACES
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microstrip resonance structure on the second layer. Two state 1. Under different states of PIN diodes, one side of
PIN diodes are integrated on the U-shaped microstrip the U-shaped structure is cut off. Two ideal cases can be
line for reconfigurability. used to illustrate working principle of the RTA element.
Current distributions of the element under two states are
shown as Fig. 3. Two symmetrical L-shaped resonance
structures are formed, and generate symmetrically surface
current Jsurt On the resonators. The element will produce
output waves with both y-polarization and x-polarization.
It is worthy to mention that, when the states of PIN
diodes change, the y-polarized wave remains the same,
but the x-polarized wave has an 180° phase difference

Open-end Waveguide
(WR-10) ———— |

Parnllel-pla%ﬁuide -

2

/ due to the opposite current direction as shown before.

Focal Fonts | Hence, the x-polarized wave with the phase tuning

95 3) capability is used for focusing and scanning in this paper,

Element (1,1) Py and the y-polarized wave cannot. The transmission

Element (1,2)

coefficients T,, for the x-polarized output wave under

Fig. 1. W-band transmitarray design with 1-D steerable two cases follow the equation as bEIOW:_
focal points. arg(Tyy)lstate 2-arg(Tyy ) lstate 1=7. (1)

B. Element simulation and optimization

The element is designed on Rogers 5880 dielectric
substrate with the thickness of h,=0.508mm, &=2.2 and
tand=0.0009. The period of the element is p;=1.6 mm. A
mm-wave PIN diode (MA4AGFCP910) is chosen as the
w-band switch component because of its highest cut-off
frequency compared with other commercially available
PIN diodes [9]. The bias structure is designed for
supplying controlling voltages for these PIN diodes, as
shown in Fig. 4. Electromagnetic simulation software
CST is used to analyze these elements by setting periodic
boundary conditions. Series RLC model is used to
(@) (©) describe the RF impedance characteristic of PIN diode

) ) ) o [10]. In CST, the series RLC model of PIN diode is set
Fig. 2. Schematic and operation principle of the RTA according to the online datasheet: Ror=4Q, Lon=10pH:
element: (a) Geometry of element; (b) Ideal case 1; (c) Re=3€, Lor=10pH, Co=18fF.

Ideal case 2.

“U-shape”
Resoance
Structure

Y
(0]
utput X
o

(State 1) Direction
of Jgiry
#(State 2)

Substrate o
~

-

Input

Coupling
Slot

In order to acquire the optimum magnitude of T,,,
at working frequency, parameters of the element are
studied through EM simulations. For the receiving layer,
the working frequency decreases with the increasing
length of sy, which mainly affects the working mode of
the slot, as shown in Fig. 5. For the second layer, the
effective current path of the working mode increases
with the lengths of both the x-direction part and the y-
direction part in the L-shaped resonance structures. As

(@ (b) a result, the working frequency is expected to decrease

with larger sizes: gy, by, as shown in Figs. 6 & 7. Other

Fig. 3. Current distributions on the ideal element under parameters of the L-shaped structure are defined by the
two states: (&) State 1 and (b) State 2. standard sizes of soldering pad for the PIN diode [9].
After optimizing these antenna parameters through EM

At state 1, the left PIN diode is at “ON” condition,  simulations, a practical 1-bit RTA at w band is achieved.
and the right one is at “OFF” condition. For state 2,  Detailed sizes of the RTA element are shown in the
working conditions of two PIN diodes are opposite to  caption of Fig. 4, as well as the biasing structure.
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Fig. 4. Detailed sizes of RTA element with a bias
structure: (a) first layer of the reconfigurable element;
(b) second layer of the reconfigurable element. (s,=1.15,
5,=0.3, by=0.15, b,=0.35, bs=0.1, p,=0.33, b,=0.15,
b¢=0.135, b,=0.185, 11,=0.93, 11,=0.2, 12,=0.31,
12y=0.2, 13,=0.2, gx=0.31. Unit: mm).
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Fig. 7. Magnitude of Ty versus different values of by.

The transmission phases of the ideal case and the
practical PIN case are different due to the practical diode
model and the existence of the biasing circuit. However,
the phase difference between states 1 & 2 remains to be
180° due to the symmetrical element design, as shown in
Figs. 8 & 9. Hence, the proposed element can guarantee
the precise 180° phase shift, regardless of the PIN model
and the biasing effect.

In contrast, the magnitude of transmission
coefficient Ty, of the RTA element is dependent on the
PIN model. For the ideal case, the maximum of Ty is
-3.1dB at 101.5GHz, as shown in Fig. 10. Meanwhile,
the corresponding Tyy value is -3.5dB, which shows that
the proposed element converts more energy into the
cross-polarized wave than that in the co-polarized wave.
For the practical PIN model, the maximum of Ty is
-11.1dB at 97GHz. The distinct difference between the
two models is the value of Ce, which controls the
polarization conversion efficiency (Txy) of the antenna.
To study influence of the capacitance Cor, different
reconfigurable elements with the increasing value of
capacitance Cofr, have been simulated. Magnitudes of the
simulated transmission coefficients of RTA element, are
shown in Fig. 11. As a result, with the value of Cos
decreasing, magnitude of the transmission coefficient Ty,
increases, leading to a better element performance.

Another reason is the biasing circuit effect. In the
ideal design, high-impedance microstrip lines with large
resistance value are needed to reduce the influence of
outer biasing structure [11]. However, limited by the
PCB fabrication technology (minimum width of the bias
line is 0.1mm), the width of the biasing line is close to
that of the resonance structure, and does affect the
performance of the RTA element. After adding the
biasing structure, the new shape is more like a split-ring
resonator. The parameters are optimized to get an
acceptable polarization conversion efficiency.
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In summary, the proposed RTA element has a
relatively large insertion loss due to the limitations of
available PIN diode (large Cor value) and fabrication
process (0.1 mm line width). However, it is worth noting
that precise 1-bit phase shift can be guaranteed even
under these two adverse effects, which is critical for
high-resolution applications.
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Fig. 8. Simulated results of Ty, phase under different
element models.
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Fig. 9. Simulated results of phase shift under different
element models.

C. Transmitarray with 1-D steerable focal points
1-D steerable focal points on a focal plane can
be used for near-field imaging system. A 32x2
reconfigurable transmitarray antenna (RTA) is designed
for this purpose. An open-end waveguide generates the
electromagnetic wave of TEip mode and radiates it to
the RTA located at the end of a parallel-plate waveguide,
as shown in Fig. 1. The length of the parallel-plate
waveguide along z-direction is 27.5mm. Incident phase
distribution and magnitude distribution on the RTA
aperture are measured. The measured illumination taper

ACES JOURNAL, Vol. 35, No. 5, May 2020

at the edge of the array is -11.9dB.
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Fig. 10. Simulated results of Ty, magnitude under
different element models.
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Fig. 11. Magnitude of Ty versus different values of
capacitances Coft. (The other parameters are defined as
the commercially available PIN diode, MA4AGFCP910.)

The output equal phase point is designed at the focal
point (s, ¥, zr). The transmitarray is designed to provide
phase compensation, which includes two parts: the
incident phase of the illumination wave, and the phase
delay from each element to the focal point. Thus, the
phase distribution of each element can be calculated
according to the equations below:

Petement (M, M) = —@c(m, 1) + krfmn + Ao, (2)

Trmn = \/(xf - xmn)z + (yf - ymn)2 + (Zf - Zmn)z- (3)
where @;,. is the measured phase distribution of
incident wave, and rmy is the distance from each element
(Xmn, Ymn, Zmn) to the focal point. In these equations, m is
chosenas 1, 2, ...,32, and nis chosen as 1, 2. For the 1-
bit reconfigurable transmitarray, each element generates
only two phase states, 0° and 180°. Hence, a phase




quantization process is applied after Eq. (2). Figure 12
shows the compensated phase distributions for two focal
points: (x=0mm, y=0mm, z=80mm) and (X=-30mm,
yi=0mm, z=80mm).

180° [ 0°[]
(@)
d 0§ Do NEmifiE

180° M 0°[]
(b)

Fig. 12. Phase distribution for the reconfigurable
transmitarray: (a) x=0mm, y=0mm, z=80mm; (b) x{=-
30mm, y=0mm, z=80mm.

Fig. 13. Prototype of the w-band focus-scanning antenna.

I1l. EXPERIMENT AND DISCUSSION

A prototype of the 1-bit transmitarray has been
fabricated. Prototype of the antenna is shown in Fig. 13.
Size of the total antenna structure is 110x34mm2,
containing the total transmitarray of 51.2x3.2mm? in the
middle. The front layer of arrays, including resonance
structures and bias structures, are all printed in the
rectangular area. It should be noted that the upper
elements and the lower elements are inverted in y-
direction for the purpose of easy biasing. Polarity of the
diodes are also symmetrically inverted for these two
kinds of elements. Thus, ground lines are all combined.
The upper bias voltages and lower bias voltages are
inverted to generate the same state for upper and lower
elements. The bias lines are extended to 4 connectors
with 20 pins at upper and lower edges of the transmitarray,
and finally connected to a control board and power
supply. At the back layer, the transmitarray is also
covered by printed metal, except the rectangular slots as
designed.

A w-band probe connected with a VDI frequency
converter, which is installed on a scanner, is used to

PAN, YANG, XU, LI: W-BAND ELECTRONIC FOCUS-SCANNING BY A RECONFIGURABLE TRANSMITARRAY

measure XY-plane field distribution at the position of
focal points at 96.5GHz. Area of the 2-D plane is
174x174mm?. Measured result of the focal point at
broadside is shown in Fig. 14. Detailed comparison of
measured result and calculated result along the x-axis is
shown in Fig. 15. The measured half power beam width
(HPBW) along x-direction is 6mm, compared to the
calculated results of 6mm.

87
-90 -70 -50 -30 -10 10 30 50 70 90
X (mm)

Fig. 14. Measured 2-D result of focal point at x;=0mm,
y=0mm, z=80mm. (Unit: dB).

T T

— = —Calculation
Measurement

Field Distribution, Magnitude (dB)

90

X (mm)

Fig. 15. Comparison between the measured result and the
calculated result along x-direction for the focal point at
xf=0mm, y=0mm, z=80mm.

1-D steered focal points of the reconfigurable
transmitarray along Xx-direction are also measured.
Figure 16 shows measured steered focal points from
xi=0mm to x=-30mm. The location of measured focal
plane keeps the same at z=80mm. Measured results of
focal points also show that steered focal points keep
stable. The location of measured focal point keeps in
accordance with the design from x=0mm to x=-30mm.
The half power beam width keeps under 6mm, which is
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in accordance with the calculated result. This small
HPBW shows promising applications for high-resolution
imaging applications.
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Fig. 16. Magnitude distribution for the 1-D steered focal
points along x-direction.

1V. CONCLUSION

A w-band focus-scanning method based on PIN-
diode RTA is proposed. The 1-bit phase accommodation
is designed for scanning focal points. Based on PIN
diode, the beam switching can be conducted in a very
short time. Under the switchable states of two PIN
diodes, a two-layer symmetrically resonance structure is
formed. This design can generate the x-polarization
output waves with opposite directions, and guarantee the
precise phase shift of 180°. A transmitarray with 32x2
elements is finally fabricated for verification of steerable
focal points. Measured results show good agreement
with the calculated results. Scanning focal points at
x-direction are also measured, which verify the
functionality of the RTA design. The proposed method
shows notable advantages in weight, size and cost. These
features make this antenna suitable for w-band high-
resolution fast-speed imaging applications, especially
for security checking.
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Abstract — The increasing convenience and benefits
provided by wireless technology innovations may also
affect the human health because of Wi-Fi electromagnetic
radiation. The effects of 2.45 GHz Wi-Fi on oxidative
stress (OS) in MC3T3-E1 cells and the protective role
of vitamin C are presented and analyzed in this paper.
MC3T3-E1 cells were exposed to 100 mW and 500 mW
2.45 GHz Wi-Fi signals at specific absorption rates
(SARs) of 0.1671 W/kg and 0.8356 W/kg, referred to as
SARa and SARDb, respectively, for 0-180 minutes to
determine the optimal irradiation time by testing reactive
oxygen species (ROS) and glutathione (GSH).
Following irradiation for the optimal irradiation time,
ROS levels were assayed for 0-120 min after each
irradiation. Additional vitamin C is added to the medium
to investigate the effect on ROS and GSH. A FDTD
simulation showed that the cell layer temperature
increased by 0.1°C and 0.5°C after being exposed in
the SARa and SARDb for the optimal irradiation time
(90 min). Ninety min of Wi-Fi irradiation provoked an
obvious increment in ROS and GSH on the first day, and
the ROS level returned to the initial level 30 min after
the irradiation; however, on the third day, it took 90-120
min for ROS to return to baseline. Vitamin C significantly
reduced ROS levels and recovery times. In conclusion,
2.45 GHz Wi-Fi radiation triggered oxidative stress
in osteoblasts 3cm from the source antenna. Vitamin
C effectively reduced the ROS levels stimulated by
nonthermal effects of Wi-Fi irradiation.

Index Terms — FDTD, in vitro, osteoblast, oxidative
stress, temperature.

I. INTRODUCTION
Wi-Fi, a wireless network technique that emits
radiation mostly at 2.45 GHz in the radio frequency
(RF) range, affects the human body mainly through
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nonthermal effects [1]. However, several reports have
addressed the problem of temperature measurements,
since some researchers continue to believe that the
biological effects of Wi-Fi irradiation can be attributed
to increases in temperature [2]. The determination of
whether the biological effects of Wi-Fi being caused
by thermal or nonthermal effects requires a clear
understanding of the temperature increase in biological
tissue.

Bone is a metabolically active organ that
continuously renews itself throughout life through a
dynamic equilibrium dominated by three major types of
bone cells: osteoclasts, osteoblasts and osteocytes [3].
Bone homeostasis can be disturbed by a variety of
endogenous and exogenous factors, such as inflammation
[4], loading [5], diabetes [6] and electromagnetic fields
(EMFs) [7]. OS as a consequence of an oxidant-
antioxidant imbalance favoring oxidants is the most
direct response to a variety of adverse stimuli [8]. EMFs
have been reported to increase the production or longer
presence of free radicals which are the endogenous
mechanism responsible for OS [9]. OS induced by Wi-
Fi irradiation has been confirmed in the brain [10], liver
[11], laryngotracheal mucosa [12] and uterus [13] in
vivo experiments, and Cig B [14] found that the
electromagnetic radiation (EMR) from Wi-Fi devices
and mobile phones placed within 10 cm of cells induced
OS in MCF-7 cells in vitro. In addition, vitamin C, an
important free-radical scavenger, is considered to be an
important inhibitor of Wi-Fi-related OS in the rat liver
[11]. Thus, it is reasonable to presume that OS induced
by Wi-Fi in osteoblasts might also be suppressed by
vitamin C.

In this paper, the effects of 2.45 GHz Wi-Fi on OS
in MC3T3-E1 cells and the protective role of vitamin C
are presented and analyzed in detail. The contribution of
this paper can be outlined as follows. (1) The specific
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absorption rates in the cell’s were calculated in the 2.45
GHz Wi-Fi environment. (2) The temperature difference
in the cell layer was analyzed. (3) Wi-Fi induced ROS
and GSH changes were found. (4) The role of vitamin C
in reducing OS was confirmed.

I1. MATERIALS AND METHODS

A. Wi-Fi exposure settings

A laptop computer with Wi-Fi antenna, 60-mm cell
culture dishes containing 4 mL of culture medium and a
Wi-Fi router were placed in a Forma Series 1l 3110
Water Jacketed CO; Incubator (Thermo Fisher Scientific
Inc., Waltham, USA) with 5% CO; at 37°C, as illustrated
in Fig. 1. In the control group, the Wi-Fi router and
computer were placed in the cell incubator in an open
position without data transmission. The distance between
culture dishes and router antennas is approximately 3
cm.

B. Thermal simulation
The FDTD method (Lumerica Solutions Inc.,
Vancouver, Canada) was employed to assess the SAR
distribution in the cell monolayer. In the research of [15]
the temperature of cells was carefully calculated with
Debye’s parameters of the cornea and aqueous humor by
FDTD. However, it was confirmed by [16] that the effect
of cell layers on the power delivery or heating of liquid
is negligible. Consequently, the model in this research
was simplified and the last layer (0.1 mm) of the culture
medium was considered as the cell monolayer. The
detailed steps and methods of FDTD was describe in [17]
and [18]. The determination inside biological solution is
expressed in terms of the specific absorption rate:
saR = Z|E|. (1)
Where E is the root-mean-square local electric field
strength (V/m), 6 is the electric conductivity (S/m), and
p is the sample density (kg/m3). If the electric field
components of a point (i, j, K) in an organism are Ex, Ey
and Ez respectively, the distributional SAR can be
calculated by the following formula (2), expressed in
SAR(#), which is defined as the electromagnetic power
absorbed per unit mass of a biological tissue at a distance
7 adjacent to at any point:
SAR(P) = 5o [0 (0, OE2 (L j, ) +
oy (L), K)E; (i,), k) + 0,(L,j, K)EZ (i, k). (2)
The dielectric and material thermal parameters
at 37°C and 2.45 GHz are given in Table 1. The
temperature of the surrounding atmosphere was assumed
to be stable at 37°C. The voxel size was 0.1 mm, and the
time step was 0.1 seconds. The last layer (height 0.1 mm)
of the culture medium was considered the cell monolayer.
The specific absorption rates are 0.1671 W/kg and
0.8356 W/kg for 100 mW and 500 mW Wi-Fi radiation,
referred to as SARa and SARD, respectively.
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The thermodynamics equation was used to
determine the temperature increase in the cell monolayer
at the bottom of the culture dishes. The thermodynamics
equation is as follows [20]:

Cp=. = KV?T + p(SAR) — BT. 3)
Where T is the temperature (K), C is the specific heat
capacity (JK 'kg'), K is the thermal conductivity
(W.m 'K "), B is a parameters related to blood flow.

The boundary condition is:

H-(T,—T) = -K5.. )
Where H is Convection coefficient, Ts is surface
temperature, and Tc is air temperature.

For the spatial continuity function F(x,y,zt), the
discrete form of its time step at m can be written as
follows:

F™(i,j,k) = F(iéx, j6y, kdz, mét). (5)
Where § is the space step, ot is the time step.
(3) and (4) come to:

8¢

T™1( i, k) = T™(,j, k) + ————<SAR(, j, k
(]5) y .(k; ) I @i,j, k)
t* l!]' ..
—————*[T™(,j,k) — Th
p(,j,k)Cp(i,j, k) 7@ ) ]
6 xK(i,j, k)

— — «*[TM™({+1,j,k
p(i,j,k)Cp(i, j, k)52 [7™( k)
+T™(0,j+ L,k) +T™(,j,k+ 1)+ T™(0 - 1,j,k)
+T™(0,j — 1,k) + T™(i,j, k — 1) — 6T™(,j,k)], (6)

mie; _ KT(imintLjk) , Tqhs 7
T ) (tmin, J, k) N K+hs K+hs’ )
Ot satisfies the condition:
2pCps?
< PP 8
ot < 12K+b 52 ()

Figure 2 (a) shows a temperature comparison for
Wi-Fi EMF radiation powers of 100 mW and 500 mW
after 90 min of irradiation in the cell layer. The mean
temperature increases under the 100 mW mode and
500 mW mode were approximately 0.1°C and 0.5°C
respectively at 90 min (Fig. 2).

Fig. 1. Layout of cell dishes, the Wi-Fi router and the
laptop computer in the cell incubator.

C. Cell culture

MC3T3-El cells (iCell Bioscience Inc., Shanghai,
China) of the clone-14 preosteoblastic murine cell line
were cultured in a-MEM containing 10% newborn bovine
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serum, 100 IU/mL penicillin and 100 pg/mL streptomycin
under saturating humidity, 5% CO, and 37°C. The
medium was changed every 48 h. When the cells reached
approximately 80% confluence, they were digested with
0.25% trypsin (Gibco Inc., Grand Island, USA), diluted
and then subcultured at a 1:3 ratio.

D. In vitro differentiation

For this step, 10 mmol/L B-phospho-glycerol,
10" mol/L dexamethasone and 50 pg/mL ascorbic acid
(vitamin C) were added to the above culture medium to

The left six graphs show the temperature distribution of 100mw.The right six graphs show the temperature distribution of 500 mw.

Every ten points represent 0.88mm

500 1000 1500 2000 2500
Every ten points represent Tmm

@
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make osteogenic medium which was changed every 48 h.

E. Experimental groups

To select the optimum daily irradiation time, the
cells were exposed to radiation after 72 h of induced
differentiation, and each group contained at least three
samples. The cells were divided into six groups: (i) 0 min,
(i) 30 min, (iii) 60 min, (iv) 90 min, (v) 120 min, and (vi)
180 min. These groups were further subdivided into
sham, SARa 2.45 GHz Wi-Fi, and SARb 2.45 GHz Wi-
Fi groups.

———SARa 100mwW
— SARb 500mW

Temp b;r inm °Cﬂ

o 0 1000 2000 3000 4000 5000 6000

Time (s)

(b)

3000 3500

Fig. 2. The simulation result of temperature in the cell layer: (a) temperature difference after 90 min of irradiation in
the cell layer, and (b) temperature dynamics within a cell monolayer.

Table 1: Electrical properties and thermal paramters of materials at 37°C 2.45 GHz [15-16], [19]

€ o (Sm?) C (kJ(kg°C) K (W(km) 1) p (kgm3)
Medium 71 25 4.2 0.6 1000
Petri dish 25 0.001 0.12 L2 1100

To measure GSH/ROS after radiation, the cells were
exposed to Wi-Fi radiation for the optimum irradiation
time each day for 1 to 3 days in 3 groups: (i) sham, (ii)
SARa 2.45 GHz Wi-Fi, and (iii) SARb 2.45 GHz Wi-Fi.
Tests were performed at 0 min, 15 min, 30 min, 45 min,
60 min, 90 min, and 120 min after Wi-Fi irradiation.

F. ROS

After 72 h of induction in osteogenic medium, the
cells were digested with 0.25% trypsin-0.53 mM EDTA
and then seeded into a 96-well plate at a density of 5x103
cells/mL in 100 pL of osteogenic medium, which was
changed every 48 h. 2°,7’-Dichlorofluorescein diacetate
(KeyGen Biotech Co., NanJing, China) was added to
each well according to the instructions. After 45 min of
incubation in the dark, the cells were exposed to Wi-Fi
radiation. ROS levels were determined by measuring the
fluorescence intensity at 518-nm excitation and 605-nm
emission using a spectrophotometer plate reader (Spectra
Max M3, Molecular Devices, California, USA).

G.GSH
Cells were seeded in 60-mm culture dishes at a
density of 5104 cells/mL in 4 mL of osteogenic medium,

which was changed every 48 h. Seventy-two hours later,
the cells were exposed to Wi-Fi radiation. Then, the cells
were digested with 0.25% trypsin-0.53 mM EDTA. After
centrifugation (3500 g, 10 min), the cell supernatant
was added to a 96-well culture plate. Cellular GSH was
determined using a GSH assay kit (KeyGen Biotech Co.)
according to the manufacturer’s instructions. The optical
absorbance values were measured with a microplate
reader at 405 nm (SpectraMax M3).

H. Statistical analysis

The data are expressed as the mean + standard
deviation (SD) of three or more independent experiments.
Significant differences were determined through factorial
analysis of variance (ANOVA). Statistical analysis was
performed using SPSS 13.0 software (SPSS Inc., Chicago,
USA). A P-value<0.05 was considered statistically
significant.

I11. RESULTS

A. Determining the optimum irradiation time for
further experiments (Fig. 3)

The cells were exposed to Wi-Fi radiation for 0-180
min after being induced for 72 h in osteogenic medium,



and ROS and GSH levels were measured immediately
after irradiation. ROS levels in both the SARa group and
SARb group were largely unaltered in the first 60 min.
Although an upward trend was observed from 30 to 60
min, the changes at the 30th and 60th minutes were not
significantly different in either the SARa or SARb group
compared with the control group. From the 60" minute
onward, the ROS level increased rapidly, peaked at the
90th minute, and then began to decrease but remained
higher than in the control group at the 180" minute. ROS
levels in the SARb group were significantly higher than
in the SARa group at the 90" min but not at the other
times. The peak GSH level was recorded at the 120" min.
Significant differences between the SARa and SARb
groups were detected at the 60™, 90" and 120" minutes,
and the GSH levels of the SARa group were higher than
those of the SARb group, except at the 60" minute.
Unlike the GSH level in the SARD group, the GSH level
in the SARa group increased significantly as early as
the 60'" minute. At the 180" minute, the GSH and ROS
levels were still much higher than the original levels. We
chose 90 min as the daily optimum irradiation time for
the subsequent experiments since the ROS levels in both
the SARa and SARb groups were highest at the 90th
minute. In addition, both ROS and GSH levels differed
significantly between the SARa and SARb groups,
between the SARa and control groups, and between the
SARD and control groups at the 90" minute.

ROS

Relative to contol group

mi 2 50 min 2

GSH

ontrol group

Relative to ¢

Fig. 3. ROS and GSH levels during Wi-Fi exposure:
(@) relative ROS levels at 0/30/60/90/120/180 min
of Wi-Fi exposure, and (b) relative GSH levels at
0/30/60/90/120/180 min of Wi-Fi exposure (P>0.05 -,
P<0.05 *, P<0.01 **).
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B. Changes in ROS 0-30 min after Wi-Fi irradiation
for the optimum irradiation time (Fig. 4 (a))

MC3T3-E1 cells were exposed to Wi-Fi radiation
for 90 min after 72 h of differentiation. ROS were
measured 0-30 min after irradiation was completed. The
measurement taken immediately after irradiation was
defined as 0 min. ROS levels began to decrease at the
time at which irradiation stopped and took 30 min to
return to the original level. ROS levels in the SARDb
group were significantly higher than those in the SARa
group at 0 and 15 min. Even though the ROS level at 30
min after irradiation did not completely recover in either
the SARa or SARDb group, this difference can be ignored
because these levels were not significantly different from
the control level.

ROS

Relative to control group

ntrol group

Relative to co

Fig. 4. ROS levels after Wi-Fi exposure: (a) relative ROS
levels after Wi-Fi exposure for 90 min, and (b) relative
ROS levels after Wi-Fi exposure for 90 min/day for 3
days (P>0.05 -, P<0.05 *, P<0.01 **).

C. Changes in ROS after Wi-Fi irradiation for the
optimum irradiation time every day for 3 days (Fig.
4 (b))

After 72 h of differentiation, MC3T3-E1 cells were
exposed to 90 min of Wi-Fi radiation for 3 days. ROS
were measured after the 3rd day of irradiation. The time
point immediately after irradiation was defined as 0 min.
ROS levels increased slightly after irradiation was stopped
and took 120 min or 90 min to decrease to control levels
in the SARb and SARa groups, respectively. The ROS
levels of the SARb group were significantly higher than
those of the SARa group at 0 min, 15 min, 30 min and
45 min after Wi-Fi irradiation.
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D. Determining the optimum concentration of
vitamin C by repeating experiment 1 in the SARb
group with extra vitamin C in the induction culture
medium (Fig. 5)

The results of experiments A, B and C show that
the peak ROS level was higher in the SARDb group than
in the SARa group and that recovery was slower in
the SARD group than in the SARa group. Thus, our
subsequent studies were performed under the SARDb
conditions. We adjusted the concentration of vitamin C
in the induction medium from 50 pg/mL to 55 pg/mL,
60 pg/mL or 65 pug/mL and then repeated experiment 1
to examine ROS and GSH in the SARb group. After 60
min of irradiation, ROS levels increased in all vitamin C
groups, peaked at the 90th minute, and then decreased
to basal levels. The ROS level at the 90th minute was
inversely proportional to the vitamin C concentration (50
pg/mL to 60 pg/mL) and was significantly different from
the level in the control group. However, the ROS level
in the presence of 65 pg/mL vitamin C was lower than
in the presence of 60 pug/mL vitamin C at the 90th minute,
but the difference was not significant. At the 90th minute,
GSH levels in the 60 pg/mL group were also higher than
those in the other groups. Therefore, we adopted 60
pg/mL as the optimum concentration of vitamin C.

SARb ROS

5
=

(@)
SARb GSH

-------

(b)

Fig. 5. ROS and GSH levels in the SARb group during
Wi-Fi irradiation with extra vitamin C in the induction
medium: (a) relative ROS levels in the SARDb group at
0/30/60/90/120 min of Wi-Fi exposure with 10-30%
extra vitamin C in the induction medium, and (b) relative
GSH levels in the SARb group at 0/30/60/90/120/180
min of Wi-Fi exposure with 10-30% extra vitamin C in
the induction medium (P>0.05 -, P<0.05 *, P<0.01 **).
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E. Changes in ROS in the SARb group 0-30 min after
Wi-Fi irradiation for the optimum irradiation time
with the optimum concentration of vitamin C in the
induction medium (Fig. 6 (a))

Experiment B was repeated with 60 pg/mL vitamin
C in the induction medium to measure the ROS in the
SARD group. The measurement performed immediately
after 90 min of Wi-Fi exposure was considered 0 min.
The ROS levels in the vitamin C and vitamin C+20%
control groups were not significantly different, but the
ROS levels in the 50 pg/mL vitamin C experimental
group were significantly higher than those in the 60
pg/mL vitamin C experimental group at both 0 and 15
min.

F. Changes in ROS in the SARb group 0-120 min
after Wi-Fi irradiation for the optimum irradiation
time for 3 days with the optimum concentration of
vitamin C in the induction medium (Fig. 6 b))

SARb ROS

trol group
3 \
N
/
/
. 4
/

ive to control grou

@

SARb ROS

/ } =
‘ 0

Relative to

(b)

Fig. 6. ROS levels in the SARb group after Wi-Fi
exposure with 20% extra vitamin C in the induction
medium: () relative ROS levels in the SARb group after
90 min/day of Wi-Fi exposure with 20% extra vitamin C
in the induction medium, and (b) relative ROS levels in
the SARb group after 90 min/day of Wi-Fi exposure
for 3 days with 20% extra vitamin C in the induction
medium. (P>0.05 -, P<0.05 *, P<0.01 **).

Experiment C was repeated with 60 pg/mL vitamin C
in the induction medium to measure ROS in the SARb
groups. The time point immediately after 90 min of Wi-
Fi exposure was considered 0 min. ROS levels in the
vitamin C+20% experimental groups at 0 min, 15 min,
30 min and 45 min were higher than those in the vitamin



C+20% control group, while the ROS levels in the
vitamin C experimental groups at 0 min, 15 min, 30 min,
45 min, 60 min and 90 min were higher than those in the
vitamin C control group. The ROS levels of the 50
pg/mL vitamin C group at 0 min, 15 min, 30 min, 45 min
and 60 min were significantly higher than those of the 60
pg/mL vitamin C group. Therefore, the ROS recovery
time in the 60 pg/mL vitamin C groups was half that in
the 50 pg/mL vitamin C groups.

IV. DISCUSSIONS

The safety standard of non ionizing radiation was set
mainly focusing on whether it exerts obvious thermal
effects on the human body over a certain period of time
[21], but without considering nonthermal or cumulative
effects. Thus, even within the recommended values,
adverse effects of Wi-Fi radiation on certain types of
cells or organs have been verified [13]. Non ionizing
EMR can alter the energy level and spin orientation
of electrons and, consequently, increase the activity,
concentration and lifetime of ROS [14]. OS stimulated
by Wi-Fi irradiation for a period from 5 days [11] to 6
months [22] has been found in some important organs
deep in rats’ body. In the vitro experiment, [14] set 6
tubes of MCF-7 breast cancer cells at different distances
(0 cm, 1 cm, 5 cm, 10 cm, 20 cm and 25 cm) from a
radiant for 1 h. The mean SAR of the 6 tubes was

0.36+0.02 W/kg under 900 MHz exposure at 12 pW/cm?2.

Cig B found that cytosolic ROS production, Ca?*
concentrations, apoptosis, and caspase-3 and caspase-9
levels were higher in all the mobile phone and 2.45 GHz
Wi-Fi groups at distances of less than 10 cm. An increase
in ROS in a osteoblasts monolayer exposed to Wi-Fi
radiation (3 cm from router antennas) was also found in
our work, and Wi-Fi radiation was clearly shown to be
an exogenous OS stimulus. Our main concern is the
duration of ROS generation and the return of ROS to
baseline levels. ROS did not increase until 90 min after
the initial exposure to Wi-Fi, which may be attributed to
“window effects” [23]. Even with continuing irradiation,
ROS did not increase and instead decreased from 90 to
180 min because of the increase in GSH which, as an
antioxidant, serves as a natural defense mechanism to
restore the dynamic balance between ROS generation
and elimination in cells [24].

ROS levels in the SARb group were higher than
those in the SARa group in experiments 1, 2 and 3 and
showed an SAR-dependent pattern similar to that found
in other studies [25]. The ROS level returned to baseline
within 30 min of the initial exposure to Wi-Fi; however,
after the third day of radiation, this return took 90 min
in the SARa group and 120 min in the SARDb group,
which could be interpreted as a “cumulative effect” [26].
Prolonged exposure times and increased exposure doses
may reasonably be concluded to make it increasingly
difficult to restore ROS levels to normal. The mechanism
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by which EMFs increase ROS is partly attributing to
the decreased efficiency of antioxidant mechanisms
[27]. However, in our study, GSH rapidly increased
even before ROS levels changed, which might play an
important part in ROS regulation during Wi-Fi exposure.
Similarly, in a study by [28], V79 fibroblast cells were
exposed 1800 MHz RF (SAR 1.6 W/kg) generated in a
gigahertz transverse electromagnetic mode (GTEM) cell,
and GSH levels were found to increase immediately after
10 min of exposure, but ROS increased only after 60 min
of exposure. Cermak AMM suggested that short-term
RF exposure resulted in a transient oxidation-reduction
imbalance in fibroblast cells following adaptation to
the applied experimental conditions. [29] also found that
ROS increased in osteoblasts after a single exposure to
extremely low-frequency pulsed electromagnetic fields
(ELF-PEMFs) and that GSH did not decrease; these
changes essentially represented an antioxidant defense
mechanism in which ELF-PEMF stimulated the cells to
produce a small amount of harmless ROS to improve
osteoblast function and activity. Hence, the ROS and
GSH increases observed in our study may similarly be a
protective mechanism elicited by Wi-Fi irradiation.

If Wi-Fi exposure is inevitable, then it is particularly
important to explore ways to reduce ROS and minimize
the risk of side effects. Various antioxidant mechanisms
have been confirmed to neutralize the harmful effects of
ROS in cells, among which vitamin C, a free-radical
scavenger in extracellular fluids, is considered to be an
important inhibitor of Wi-Fi-related OS in rats [11]. The
original culture medium for osteoblasts contains vitamin
C, which may be another factor that reduces ROS and/or
accelerates the reduction of ROS levels. High levels of
GSH might be related to the fact that vitamin C can
reduce oxidized GSH (GSSG) into GSH. Accordingly,
we added different concentrations of extra vitamin C
to the culture medium and found that 60 pg/mL was
the most appropriate concentration for limiting ROS
and upregulating GSH. This optimum concentration of
vitamin C significantly reduced ROS levels and shortened
the recovery time by half (from 120 to 60 min) after the
3rd day of Wi-Fi irradiation. Furthermore, the ROS
levels of the different vitamin C groups were inversely
proportional to the GSH level of the same groups, further
supporting a mechanism whereby GSH plays an important
role in ROS regulation during Wi-Fi exposure and is
upregulated by vitamin C.

V. CONCLUSIONS

The long-term and close-range Wi-Fi EMF radiation
slightly increases the temperature in a cell monolayer,
however the temperature variation (no more than 1°C) is
too small to induce the cell biological reaction. Hence, it
is believed that the effect of Wi-Fi irradiation on cells
would be stimulated by nonthermal effects.

The SARs of Wi-Fi EMF is far below the safety
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standard of non ionizing radiation, but still elevates ROS
in cells after long-term exposure. Therefore, Wi-Fi EMF
could be an exogenous OS stimulus and affect bone
homeostasis. Furthermore, the longer the irradiation
time and the stronger the radiation, the more obvious
the effect on osteoblasts. However, short-term exposure
(less than 60 min) can neither change the level of ROS
nor GSH owing to “window effects”.

ROS induced by Wi-Fi EMF radiation can be
eliminated by endogenous or Wi-Fi induced GSH,
which acts as a protective mechanism of osteoblasts.
Nevertheless, it takes longer times for osteoblasts to
eliminated ROS with the increase of exposure doses due
to the “cumulative effect”.

Vitamin C effectively reduces ROS levels and
recovery times by increasing GSH, and its effect shows
a concentration-dependent pattern at low concentrations.

Due to the limited experimental conditions, the
radiation distance setting is an extreme case (a cell layer
3cm from the source antenna), and the influence of
distance change on the result needs further study. In the
future, we will consider the MIMO antenna and circular
polarization antenna [30-34] and arrays [35] in the
experiment and use the adaptive filtering [36-41] to
suppress the noises and improve the performance.
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