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Learning the Basic Physics of Electromagnetic Radiation Through
Computational Modeling

Edmund K. Miller

Life Fellow, IEEE
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e.miller @ieee.org

Abstract — While electromagnetics (EMs) may be
perceived to be a mathematically intensive subject, the
following discussion demonstrates that many important
education-related aspects of EM radiation can be “dis-
covered” through computational modeling. The goal
here is to demonstrate an intuitive learning environment
that reveals important features of EM physics to incen-
tivise a desire to learn about the underlying mathematics
on which the computer model is based. The idea is
that seeing the fascinating details that the equations
produce prior to confronting the possibly intimidating
background mathematics can be a more productive and
enjoyable exercise.

Index Terms — Charge acceleration, computer model-
ing, electromagnetic radiation, Lienard-Wichert fields,
Poynting vector, reflection radiation, source radiation,
time-domain electromagnetics.

I. INTRODUCTION

Electromagnetic radiation is a phenomenon pro-
duced by charge acceleration. This basic physical fact
provides the explanation for how antennas radiate and
receive electromagnetic (EM) energy (time domain) or
power (frequency domain) and for how other electro-
magnetic interactions occur. The mathematical equa-
tions that provide an analytical description for the radi-
ation, propagation and scattering of EM fields were
formalized by James Clerk Maxwell in 1846 and are
now called Maxwell’s Equations (MEs). His unification
of these equations originated from the experimental and
analytical work of numerous scientists (in alphabetical
order) such as Ampere, Columb, Farady, Gauss, Heavi-
side, Henry, Hertz, Kirchhoff, Lorentz, Oersted, Poisson,
Poynting, Volta, Weber and others. Some of these names
are attached to various quantities in electromagnetics
and electrical engineering as recognition of their con-
tributions. Most of this initial development involved
various measurements in the late 18" and 19 centuries
whose results led to mathematical formulas or models to
quantitatively describe them.

Submitted On: September 05, 2025
Accepted On: October 25, 2025

The motivation for this discussion is not to present
a conventional introduction to the mathematics of MEs.
Instead, it is intended to illustrate, via various physics’
phenomena, that mathematics alone need not be the
sole focus of EM. Instead, computational modeling has
become a complementary and indispensable tool in the
discipline. The goal is to show prospective students
the fascinating reality of EM radiation made possible
by computational electromagnetics, literally computer
experimentation, to encourage student interest in its
study. The fundamental equation (1) below demonstrates
analytically the statement above about charge acceler-
ation. This expression, derived from MEs exhibits the
charge-acceleration dependence of EM radiation in what
is known as the Lienard-Wichert fields [1, 2]:

and

1
H=-RxE, )
R

for a point charge ¢ in free space at the origin having
velocity v and acceleration a = dv/dt where R is the
vector coordinate of the E and H field locations in a
spherical coordinate system. Note that when v < ¢ the
acceleration term in equation (1) simplifies to

E:r><r><aq/Rc27 3)

where r is a unit vector in the R direction.

A careful examination of Eq. (1) leads to the con-
clusion that only the acceleration term falls off as 1/R
to thus account for EM radiation, as may be clearer in
Eq. (3). This is because the EM power-flow density as
expressed by Poynting’s vector S is given by

S=ExHinw/m?, 4)

https://doi.org/10.13052/2025.ACES.J.401101
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and falls as 1/R? due to the acceleration terms of E
and H. This means that over an enclosing spherical
surface the total power radiated by the acceleration of
g becomes a constant independent of R in what is called
the radiation field.

Equation (1) may appear to be somewhat intimidat-
ing but is not used to obtain the results to be presented.
Rather, it is included to emphasize the point that charge
acceleration is the root cause of EM radiation. How-
ever, equation (1) is not routinely involved in solving
most engineering EM problems whose solutions are
developed from the Maxwell differential equations or
their integral counterparts. It should be appreciated that
charge acceleration does not explicitly appear in these
equations. Indeed, charge acceleration is not needed to
solve typical antenna, propagation or scattering prob-
lems. While this may appear to be a fortunate simpli-
fication, it can obscure important aspects of radiation
physics and the insight that knowledge could reveal
about where charge acceleration occurs on an antenna
or scatterer and radiation actually originates.

Any valid EM computational or numerical model
must include the effect of charge acceleration if it is
to correctly account for radiation. Thus it is reasonable
to expect that where charge acceleration occurs in any
such numerical model should be identifiable. While this
should be true however a given problem is modeled,
a time-domain approach seems more attractive since
acceleration is a time-domain phenomenon. Observe
that there are two principle types of time-domain EM
models based on either differential or integral equations.
A differential-equation-based computer model samples
the fields on a mesh having the dimensionality of
the problem being solved. Thus for a general three-
dimensional object the sampling is done on a 3D mesh,
with a popular approach known as finite-difference time
domain (FDTD) [3].

Here, however, the focus is instead on a time-
domain integral equation model specialized for wires,
the Thin-Wire Time Domain (TWTD) [4] code. This is
an especially relevant model for the charge-acceleration
cause of EM radiation. The time domain results derived
from TWTD will be demonstrated to provide insight
into EM radiation physics that is less obvious in the
frequency domain. A time-domain model also has the
advantage of yielding broadband frequency results in a
single computation.

Instead of sampling fields on a mesh, an integral-
equation approach is instead based on integrating over
an object whose current and charge produce electric and
magnetic fields. In the results to be presented below,
this is done by deriving from ME an expression for the
electric field due to the charge and current on a thin
wire. This is a “standard” boundary-value problem in
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electromagnetics where the wire object of interest is
usually, but not necessarily, a perfect electric conductor
(PEC). Equation (1) applies to a point charge in free
space but also accounts for the role of equivalent charge
on a PEC.! The goal is to find the current and charge
flow, or induced sources, on a wire of some specified
geometry when excited by some specified electric field.
Note that both time-domain models also have frequency-
domain counterparts. For a wire the perpendicular or
normal electric field (E-field) terminates on equivalent
charge and the circular or tangential magnetic field
terminates on equivalent current.

The thin-wire approximation, an exceptionally
well-validated approach used in TWTD and other wire
computational models as shown in Fig. 1, assumes:
(a) that the current on the wire surface can be modeled
as a filament flowing on the wire axis; and (b) that the
boundary condition of the electric field can be applied
a distance of the wire radius a away from the current
filament. The electric field of the filamentary current in
TWTD is given by [5]:

_ Ko S9N R
E(r.r) = 47r/c(r) [Rat’l(s’t)+cR2as’I(s’t)

762%97 (s',t’)}ds’, ®))
where I (s'.t") and g (s'.t") are the current and charge den-
sity respectively, and where C(r) is the spatial geometry
of the wire with s is a unit tangent vector at the wire
surface.

Also, s =s(r),s' =s(r'),ds’ =ds(r'),R=|R| =
|r —r’| and the unprimed coordinates r and ¢ denote the
observation point location and the primed coordinates
r’ and ¢’ =t — R/c the source location which accounts
for the propagation time delay between the source and
observation points. The differential operators in (5) are
with respect to the observation coordinates. If we let s =
s(r) and s’ = s(r’) be the unit tangent vectors to C(r) at
r and r’ then for a PEC wire the boundary condition is

s-(E-E*) =0, (6)

with EA the applied field that causes the current and
charge. When equation 6 is combined with equation 5,

! Assuming an object to be a PEC is a common boundary condition
used in EM computer modeling and is acceptably accurate for most
materials used for antennas and radar targets. This means that EM
fields originate or terminate at the surface of an object on what
are called equivalent sources. In particular, the normal electric field
creates an excess of charge at its termination point depending on
whether the E-field originates, causing positive charge or terminates,
to cause negative charge at that point on the wire’s surface. The
equivalent, essentially massless, charge density this creates follows the
propagating EM field moving at light speed in the external medium.
The validity of this model is confirmed by experimental measurements.
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C(n

Fig. 1. Geometry for thin-wire electric-field integral
equation (from [7]).

the following integral equation results:

Errg) = Mo $29
s-E (r’[)7475/c(r) {s SR&t’l(s’[)

s-R 0 s-R
+Cﬁﬂl (s',t') —czﬁq(sﬂt/) ds’,
(7

where r € C(r) +a(r) and a(r) is the wire radius at point
r and he charge is given by

’d
q(st') = — /_ () )

Equation (7) provides the analytical basis for
TWTD and is called an integral equation because the
unknown quantities requiring solution are under the
integral sign. The procedure used to develop a solution is
called the moment method [6, 7]. Most of the numerical
examples in the next section are obtained from TWTD,
but for illustrative comparison some frequencydomain
results obtained from the NEC (Numerical Electromag-
netics Code) [8] are also included.

To conclude this introductory discussion it’s rele-
vant to point out that there is a graphical approach to
demonstrate the effects of charge acceleration known as
the “E-Field Kink Method [8, 9] described next. This
method is useful for developing a dynamic visualization
of the radiation from a point charge as shown next in
Section II but is unlikely to be feasible for the current
and charge sources on an extended object.

II. THE E-FIELD KINK MODEL OF
RADIATION
Graphical displays of EM radiation fields can be
developed without actually solving the MEs using
what is known as the “E-field Kink Model of Radia-
tion” [9, 10]. This is made possible by two properties

ACES JOURNAL, Vol. 40, No. 11, November 2025

of EM fields, (a) that a charge produces continuous
electric-field lines of force and (b) that the speed of light
has a finite value.

Consider a point charge located at the origin of a
spherical coordinate system in an infinite, homogenous
medium. The charge emanates or terminates a radially
directed electric field whose lines of force are uniformly
distributed in angle with a density proportional to the
charge magnitude as in Fig. 2 (a). By convention these
field lines originate on positive charge and terminate on
negative charge or extend to infinity.

If the charge is instantaneously accelerated to veloc-
ity v and coasts for time t; its E -field lines will be as
shown in Fig. 2 where a “kink” has developed in its field
lines which has propagated a radial distance ct; from the
origin where c is the speed of light. Abruptly stopping
the charge at time t; causes another E-field kink to be
produced that at time t; later has now propagated a radial
distance ctp from the origin as illustrated in Fig. 2.

—b‘ 'Q—vtz

NV

vty

Fig. 2. A snapshot of the E-field of a point charge
that has been instantaneously accelerated to a speed v,
abruptly stopped at time t; and at an additional time
interval t, later (Fig. 1 from [15]).

Observe that following any of the field lines out-
ward the two kinks are of opposite sign. This is a
consequence of the acceleration term in equation (8)
since the starting and stopping accelerations are of
opposite sign. Note also in Fig. 2 that the length of the
field kink gets longer in proportion to distance from the
charge, associated with the 1/R fall off of the radiated E
field and that there is no field kink, or radiation, in the
direction of charge motion. Not shown in these plots is
the accompanying H-field component with their vector
cross product accounting for the Poynting vector power
flow in equation (9).

A computer program, Radiation 2, was developed
at Stanford University by Professor Blas Cabrerra and
his students [11, 12] that develops a time sequence of



plots to create a movie of the E-field lines for several
kinds of chargeacceleration motion such as oscillatory,
circular, etc. Two stills from this program are presented
in Fig. 3. Included in the program are a choice of the
geometrical motion and a selection of the peak charge
speed and acceleration.

Oscillatory Motion

7 7

Circular Motion

\\
N 2

Fig. 3. Single frames taken from an E-field kink com-
puter program [12] for a point charge undergoing oscil-
latory linear motion (a) and moving at constant speed
around a circle (b) (from [15]).

\

(2) (b)

1. TIME-DOMAIN RESULTS USING
TWTD

Electromagnetic radiation is obviously a time-
domain phenomenon as it results from the accelera-
tion of charge. Consequently it is most appropriate
to examine the details of EM radiation from a time-
domain perspective as is done below for a variety of
problems. The well-validated computer model based on
a time-domain electric-field integral equation for perfect
electric conducting (PEC) wires called TWTD (thin wire
time domain [5] was used to obtain the results that
follow. Basically, these results can be characterized, as
computer experiments that emulate what might be done
using laboratory measurements were the appropriate
equipment to be available. Further examples of the
results that follow can be found in [9]. For time-domain
modeling of antennas or scatterers, a Gaussian-shaped
impulsive excitation is normally used. This produces
time and space-limited current and charge pulses on the
object whose impulsive far-fields can be associated with
locations where they originate from the object being
modeled. A Gaussian time-dependent excitation pulse
used in TWTD is given by

V= V()€7a(t7[+trax)]2, (9)

where a is a width parameter and fp,x determines
the time at which the pulse maximum V, occurs. The
simplest timedomain wire geometry is a straight wire,
known as a dipole antenna when excited by a local
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voltage source. A dipole of length of 5.99 m is modeled
with 599 segments of length Ax = 0.01 m. A wire
radius of 1073 m and time step of Ar = Ax/c are used
throughout unless otherwise stated. The current I and
charge-density Q times light speed ¢ are shown at several
time steps in Fig. 4 for excitation of the dipole antenna
at segment 300 by a 1 —V peak Gaussian pulse, an
excitation used for all time-domain results presented in
the following.

2e-3

CURRENT[_ Time Ste-p 101 151 201 251 309
2o N A
§§ ANANANAINA FLER £ R A
& 5 0e+0
5
MiisES

CHARGE DENSITY Q x ¢

200 300 400
SEGMENT NUMBER
Fig. 4. Charge density Q times light-speed ¢ and the
current / for a 599-segment wire excited at its center by

a Gaussian voltage pulse at several time steps (Fig. 3.2
from [10]).

Several interesting observations can be made of the
results of Fig. 4.

(a) The positive I and Qc_pulses_are numerically equal
on the right-hand side of the dipole (i.e. Qc = I)
but are of opposite signs on the left-half side. This
is because a positive charge moving to the right
produces a positive current, as also does a negative
charge moving in the opposite direction to the left.
Their numerical equality implies that the current and
charge carry the same amount of energy, an effect that
is discussed further in connection with Fig. 9.

(b) The amplitudes of the I and Qc pulses decay as
they propagate outwards towards the ends of the wire
dipole.

(c) The uniformly spaced pulses are apparently moving
at a constant speed.

The latter observation is confirmed in Fig. 5 where
a best-fit straight line is shown on a time-distance plot
for the 599 segment dipole based on the peaks of
the rightward-propagating pulses some of which are
included in Fig. 6. There is no apparent discontinuity
effect upon to end reflection. The average speed of these
pulses as determined from the best-fit line is 2.9868 x
108 m/sec, within 1/3% of the 3 x 108m/sec input in
TWTD. Time on this plot is measured from the pulse at
367 time steps on Fig. 4.

The electric far fields normal to dipole antennas
of variable lengths as a function of time is plotted in
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Z(m) = 2.997 x 10A8 m/sec

R

Qc PEAK REACHES END

DISTANCE (m)
S

2

0+ - - - - -
0.0e+0 5.0e-9 1.0e-8 1.5e-8 2.0e-8 2.5e-8 3.0e-8 3.5e-8
TIME (sec)

Fig. 5. A time-distance plot for the data of Fig. 4 using
additional time steps and a best-fit straight line.

Fig. 6 up to the time just beyond the time of the first end
reflection of the outward propagating pulses. This plot
reveals three different types of radiation. The first is due
to the initial charge acceleration caused by the center-
located voltage pulse. The second radiation pulses are
due to the I/Qc pulses reaching the wire ends and where
they reflect and reverse direction. The source-caused
radiation pulse is about half that of the L = 99 segment
wire, due to the fact that the source imparts a speed of
¢ to the outward-propagating pulses while end reflection
involves a speed change of 2¢. The end-reflected peaks
decrease with increasing dipole lengths due to an inter-
mediate, or traveling-wave reflection effect that causes
the decreasing magnitude of the reflected pulses.

=
o
°

=09 NTS:

D

Tl
e

S

TIME STEP

_.
S

/
LA
il

MAGNITUDE OF BROADSIDE E-FIELD
)

-
(=]
A
(=]

125 250 375

Fig. 6. The magnitude of the relative broadside radiated
electric fields in for various dipole lengths in 0.01 m long
segments (Fig. 3.4 from [10]).

This reflection is continuous as the I/Q. pulses
propagate down the dipole arms due to the wave
impedance of a constant-radius wire varying with dis-
tance from the feedpoint as shown by the admittance
in Eq. (10) [13]. This would not occur if the arms of
the dipole were cones instead, resulting in a length-
independent wave impedance as shown in Eq. (11) [14].
The wave-impedance reflection is also responsible for

ACES JOURNAL, Vol. 40, No. 11, November 2025

the decreasing end radiation exhibited in Fig. 6.

4 2 ] !
YW(Z)Nn[ln (Mir)+’2] )

. I(r) = (& !
TVE T [CO (4”

A plot of this propagation-caused radiated electric
field is presented in Fig. 7 normalized to the amount
of charge reflected per time step. The latter is obtained
by integrating the amount of charge in the outgoing
pulse at each time step to compute how much has
been reflected. This plot is somewhat jagged since it
involves the subtraction of two nearly equal numbers.
Nevertheless, the match between the electric field and
the reflected charge is on average within a few percent.

It’s interesting to compute the numerical ratio
between Qc and the corresponding radiated electric field
for these 3 radiation mechanisms, defined here as an
“Acceleration Factor” (AF). This is demonstrated in
Fig. 8 where the charge time variation multiplied by
its AF is plotted with its associated radiated E-field.
Although the AF values must be considered approxi-
mate as their computation is somewhat imprecise, the
endreflected AFg is estimated at 1.95 times that for the
source AFs, or about 2.5% different from the value
of 2 that might be expected. On the other hand the
propagation AFp is only 1.21 times that for the source.
This might be inferred to be so much less than 2 because
the reflection mechanism is “smoother” than reflecting
from an open wire end.

(1)

2.0e-3

w0
e
&

HARGE REFLECTED PER TIME STEP
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PER TIME STEP & FAR E-FIELD

0.0e+0
50 100 150 200 250 300

TIME STEP
Fig. 7. The time variation of the traveling-wave radiated
electric field and the reflected charge steps (Fig. 13
from [16]).

The acceleration factors presented in Fig. 8 and
using the equivalent approach for some other radiation
mechanisms are summarized for reference in Table 1.
While computing their values may be somewhat uncer-
tain in an absolute sense, their ratios may be useful
for comparing their relative influences in producing a
radiated field.
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Table 1: AF values for various radiation types

Radiation Type Acceleration Factor
Source: AFg 27.4
Variable Wire Radius: AFyg | 29.2
Right-Angle Bend: AFp 47.0

Propagation: AFp 33.1
Resistance Load: AFg;, 59.4
End Reflection: AFg 53.5

A different way of demonstrating radiation effects
for the 599-segment dipole is illustrated in Fig. 9. The
current energy W;(r) and charge energy Wy, () measures
integrated over the dipole as a function of time are
obtained from

Wit = [ Pl (12)

LA —L4A
Wo(r) = l [ @@y [ G

—7+A

1 L
+3 7 QP(xr)dx| . (13)
LA

The Qc energy computation in Eq. (13) treats the end
segments of the dipole differently to account for the end
current going to 0 on those segments.

The current, charge and total energy measures plot-
ted as a function of time in Fig. 9. The initial energy
buildup is dominated by the charge but after about 50
time steps the current and charge energies become equal,
decaying smoothly together until the first end reflection.
These effects are due to the source and propagation
radiations. At each end reflection the current energy falls
to 0 when all of the energy is due to the charge with a
sharp decrease in the total energy. The opposite effect
occurs when the end-reflected pulses meet at the center
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feedpoint with an almost imperceptible loss of the total
energy.
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Fig. 9. The current, charge and total energy measures

as a function of time for an impulsively excited straight

wire as a dipole antenna (Fig. 4.6 from [10]).

Differentiating the total energy of Fig. 9 with
respect to time is useful to show the rate of the total
energy loss as displayed in Fig. 10. These rate curves
are rather noisy in appearance as this again involves
the difference of nearly equal numbers, an effect that
increases as the loss rate decreases by more than 2 orders
of magnitude. It’s interesting to see that the loss rate
is quite similar in each sequence. There is, however,
between the first and second end reflections a slight
“bump” of about 2 during the time interval when the
charge pulses overlap as they pass through the center
feedpoint.
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c
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Fig. 10. The differentiated total energy plot of Fig. 6
illustrating the doubling of the radiation-loss rate as the
counter-propagating charge pulses meet at the center of
the dipole (Fig. 4.8 from [10]).

This phenomenon occurs because the propaga-
tion of the counter-propagating-pulse radiation becomes
coherent or additive over the far-field sphere. This effect
is similar to what happens when 2 one-watt, frequency-
domain point sources are brought together, the result of
which is shown in Fig. 11. Their total radiated power
increases in an oscillatory fashion as they are moved
closer together until it doubles at zero separation.

1060



1061

5
&\
E \
£ =
£ ‘ ! 7 A, 7% 4
S/ \ﬁf WA |
[~ & ‘
.
o
A = Power

0

0 5

1 2 3 4
SEPARATION (wavelengths)
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The current, charge and total energy measures as
a function of time for a 1.99 m straight wire excited
by a normally incident impulsive plane wave is shown
in Fig. 12. There is a periodic interchange between the
charge and current energies as they each pass through
successive oscillations of zero energy. The current (red)
and charge (blue) distributions at 9 time samples to
demonstrate this effect are exhibited in Fig. 13.
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Fig. 12. The current, charge and total energy measures
as a function of time for an wire impulsively excited
by a normally incident plane wave dipole (Fig. 4.18
from [10]).

The frequency-domain normalized Poynting vec-
tor along a 10-wavelength dipole obtained from
Re[(IQ*c) /2] is plotted in Fig. 14. It is somewhat
analogous to the energy-measure time-domain result of
Fig. 9 over the time of the exciting source turn on to the
first end reflection. Differentiating this result yields the
rate of radiated power-loss as a function of position in
Fig. 15 for comparison with the energy-loss rate in the
time domain of Fig. 10 [15]. Whereas the time-domain
energy loss is monotonic except for the charge-pulse
overlap, that for the frequency domain is lobed because
the latter supports a standing-wave current.
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Fig. 13. The current (red) and charge (blue) distributions
at 9 time samples for an impulsive plane wave at normal
incidence scattering from a straight wire reading left to
right from the top dipole (Fig. 4.16 from [10]).

VECTOR

NORMALIZED POYNTING

5.0 2.5 0.0 2.5 5.0
POSITION ALONG DIPOLE (wls)
Fig. 14. The on-surface Poynting vector obtained from
NEC for a center-fed, 10-wavelength dipole with power
flow to the left negative and to the right positive (Fig. 5
from [18]).

A circular wire loop should be expected to exhibit
a higher energy loss versus distance than a straight
wire because the charge acceleration is greater than
the dipole due to the loop’s curvature. This effect is
illustrated in Fig. 16 where Qc pulses are shown in the
time domain at 100 time-step intervals on a dipole and
loop 1,200 segments long. The loop peak is at time
step 600 is incomplete because it is partially obscured
by the counter-propagating pulse meeting it at the side
opposite the feedpoint. The dipole is excited at segment
49 to avoid the first end reflection. Note that the loop
pulses are moving slightly faster than those on the dipole
because their associated electric fields straight-line path
is shortened by the loop curvature.

In a fashion similar to Fig. 9 for the dipole, the cur-
rent, charge and total energies for the circular loop are
presented in Fig. 17. There are two especially interesting
features to be seen here as the current and total ener-
gies asymptotically approach constant values while the
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Fig. 17. The current, charge, and total energies as a
function of time step for a loop of 5 m ( 100 segment)
circumference and wire radius of 0.02 m as a function
the time step (Fig. 5.2 from [10]).

charge energy decreases towards zero in an oscillatory
fashion. The oscillatory decay it exhibits occurs because
each time the opposite-signed, oppositely propagating
charge pulses meet moving around the loop, they cancel
to produce alternating minima because their accelera-
tions are radially inward and thus cancel. The charge
energy eventually becomes zero as the loop radiates
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the time-dependent energy deposited by the impulsive
excitation.

This results in a uniform, non-radiating, late-time
current I, and charge neutrality around the loop. Interest-
ingly, this current can be used to compute the inductance
of the loop [16]. Actually, this is possible for literally
any closed loop that can be modeled using TWTD or
a similar computer model. Note the contrast with the
late-time current and charge on an open object such as
a dipole where both decay to zero as charge neutrality is
restored.

IV. CONCLUSION

The results presented here demonstrate how EM
radiation is caused by various kinds of impulsive charge
acceleration for simple wire geometries using a time-
domain computer model derived from the Maxwell
Equations. The excitation, either a local voltage for an
antenna or a distributed electric field for a scatterer,
causes the initial acceleration. This excitation essen-
tially begins the process and results in an effective
speed increase of ¢ for the charge induced by the
applied electric fields. Other various reflection mech-
anisms subsequently exhibit somewhat different accel-
eration effects and produce speed changes of 2¢, due
to reversing the direction of the charge motion. These
include propagation radiation because of the location-
dependent wave impedance of a uniform-radius wire.
Other reflection radiation is caused by open wire ends,
changes in wire radius, sharp bends, smooth curves and
impedance loads. These reflection accelerations are due
to the electric fields that are terminated by charge on the
wire and whose speed must match that of the fields in
the medium

APPENDIX

The following information is provided for readers
who might like to perform similar computer “exper-
iments” using NEC or TWTD. The latest version of
NEC, 4.2, continues to be distributed by Lawrence
Livermore National Laboratory. Information concerning
its availability and cost can be obtained at “https://soft
warelicensing.lInl.gov/product/nec-v42”.

The TWTD code in a pdf Fortran file is available
from the author via email at no cost, along with a user’s
manual. Contact me at e.miller@ieee.org for any ques-
tions that you might have. Note that both codes include
a feature called FARS (Far-field Analysis of Radiation
Sources) [10] for determining the spatial distribution
of radiated power from a PEC object. FARS was not
included above because it wasn’t necessary to for this
introductory presentation.
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Abstract — This paper presents an advanced charac-
teristic mode (CM)-based synthesis and optimization
framework for designing conformal meter-wave phased
array antennas on airship platforms. Unlike previous
studies that focused on planar or small UAV (Unmanned
Aerial Vehicle) surfaces, this work extends CM anal-
ysis to a large-scale, irregular, fully metallic airship
structure in the low-frequency band. The CMs of the
airship body are analyzed to extract dominant modal
currents and field distributions. To achieve control-
lable beam scanning and polarization characteristics, a
decomposition-based multi-objective evolutionary algo-
rithm (MOEA/D) is integrated with the modal synthesis
process, enabling physics-informed optimization of co-
/cross-polarization energy and sidelobe level. Guided
by the synthesized modal currents, distributed het-
erogeneous coupling elements (CEs) are conformally
arranged on the platform. The fabricated 1:40 scale
model demonstrates a +60° beam scanning range and
a measured gain exceeding 10 dBi with over 80%
radiation efficiency, in good agreement with simulations.
The proposed method bridges CM theory and practical
conformal array realization, providing a generalized
approach for large-scale, platform-integrated antenna
design.

Index Terms — Characteristic mode (CM), distributed
heterogeneous array, meter-wave, platform-integrated
antenna.

I. INTRODUCTION

As a highly maneuverable platform, the aircraft
carries an electronic system that can communicate
with other end users at various weather, terrains, and
visibility conditions [1]. To enhance gain and elec-
tronic beam scanning, antenna arrays, instead of single-
element antennas, are commonly installed on the aircraft
platform [2, 3]. However, designing integrated phased
array antennas for aircraft presents challenges. Firstly,
meter-wave phased array radar is effective for stealth
and long-range detection [4, 5]. Yet, the resonant length
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of meter-wave antennas equals their wavelength, making
it challenging to form arrays on platforms with limited
space [6]. Secondly, larger antennas negatively impact
aerodynamics, stability, and increase the radar cross-
section (RCS) of the platform. Thirdly, platforms with
complex electromagnetic materials may experience cou-
pling issues, affecting radiation performance.

Designing conformal antenna arrays on space-
constrained platforms is challenging. Current integra-
tion of platforms and antennas faces deficiencies, with
electromagnetic full-wave analysis being the predom-
inant optimization method [7]. While joint simulation
reduces development time, it has limited physical expla-
nations for antenna radiation mechanisms. Addressing
these challenges, the low-frequency platform-integrated
antenna design, based on the characteristic mode (CM)
theory, offers advantages.

For instance, in a shipboard antenna system embed-
ded in the platform [8], CMs synthesize radiating cur-
rents for a desired radiation pattern. Designs with mul-
tiple beam directions and consideration of polarization
information offer versatile applications. In examples
like [9] and [10], three beams with different directions
on an aircraft platform were synthesized, and [11]
achieved the switching ability of four angle beams.
While some designs, like [12], focus on using polariza-
tion characteristics for incident wave detection in aircraft
platforms, beam scanning is limited. In [13], coupling
elements (CEs) on both sides of the platform allow 4-45°
beam scanning, considering polarization characteristics
and beam switch ability during CM analysis and pattern
synthesis. However, not all aircraft platforms have suffi-
cient regular edge structures for placing CEs.

Compared with existing CM-based antenna designs
[9-13], which primarily target local or planar aircraft
structures, the proposed work introduces a distributed
heterogeneous conformal array framework suitable
for large, irregular, and low-frequency airship plat-
forms. First, the CM theory is extended to analyze
and synthesize the global radiation modes of a fully
metallic airship body, enabling efficient mode selection
and field synthesis over complex surfaces. Second, a

https://doi.org/10.13052/2025.ACES.J.401102
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decomposition-based multi-objective evolutionary algo-
rithm (MOEA/D) is integrated with the modal analy-
sis to achieve physics-informed optimization of co- or
cross-polarization energy, beam direction, and sidelobe
control. Third, a practical conformal coupling-line exci-
tation structure is designed according to the synthesized
modal currents, realizing an experimentally validated
+60° beam scanning with over 10 dBi gain and 80%
radiation efficiency. These advancements bridge the gap
between theoretical CM analysis and the engineering
implementation of large-scale conformal phased arrays
at meter-wave frequencies.

CM-based platform-integrated antenna research has
been extensively applied in low-frequency aircraft and
vehicular systems. For instance, Wang et al. [19] pro-
posed a CM-based multiantenna system in the HF
band (8-28 MHz) for aircraft platforms. Their approach
achieved omnidirectional and directional radiation pat-
terns by combining dominant modes and manually
selecting exciter locations, but it was limited to discrete-
frequency operation without beam scanning capability.

Subsequently, Wang et al. [20] extended this frame-
work to the VHF band (=100 MHz) and demonstrated
switchable-beam array synthesis using a MOEA/D.
Although effective for low-frequency flush-mounted
metallic aircraft, their design required more than 10
exciters and did not consider aerodynamic constraints or
scalable array realization.

In contrast, the present work proposes a closed-
loop methodology that integrates platform CM analysis,
multiobjective optimization, and distributed CE exci-
tation synthesis. The use of CMs as a “hidden aper-
ture” enables conformal array beam scanning at meter-
wave frequencies without modifying the airship geom-
etry. Furthermore, the proposed framework maintains
modal continuity, physical scalability, and aerodynamic
compatibility, representing a fundamental advancement
beyond the HF/VHF fixed-aperture designs in [19, 20].

This article discusses designing integrated antennas
for low-frequency airship platforms. Airships are ideal
for long-term use in communication systems, weather
forecasting, surface remote sensing, and aerial monitor-
ing due to their cost-effectiveness.

II. RADIATION PATTERN SYNTHESIS

We aim to streamline analysis of the airship in
communication systems, focusing on a distributed het-
erogeneous array design. Treating the airship as a fully
metallic body based on electromagnetic theory, we pro-
pose an antenna for a simplified model with dimen-
sions of 20.6x8.384x5.68 m (LxW xH), as illustrated
in Fig. 1. To meet remote detection requirements, we
design a conformal array with high gain at 100 MHz. In
specific scenarios, the array must generate a horizontally
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Fig. 2. Normalized characteristic fields and currents of
the airship at 4 GHz (units: dB). (a) 1°* mode. (b) 11%
mode. (c) 31" mode. (d) 61" mode.



polarized switchable beam within a designated range of
the XOY plane. For practical experimental verification,
we reduce the airship model to a 1:40 scale, and the
working frequency is adjusted to 4 GHz.

A. Characteristic modes of the airship

For any metal conductor, distinct CM currents exist
on its surface, and their distribution is an intrinsic prop-
erty of the conductor [14, 15]. These CMs are indepen-
dent of the excitation source and are solely determined
by the shape, size, and materials of the electromagnetic
structure. This independence offers a clear physical basis
for investigating the inherent radiation mechanism.

It should be noted that in equation (1), R and X
denote the symmetric and antisymmetric parts of the
impedance matrix Z, rather than its strict real and imag-
inary components. This definition follows the classical
Hermitian decomposition of the impedance operator
proposed by Harrington and Mautz and later applied to
microstrip structures by Angiulli et al. [16].

First, we decompose the impedance matrix Z into a
combination of Hermitian real and imaginary parts:

Z = (R+/X). (1)
Among them are:
YAYA
R= 2
S @)
7-7
x=="" (3)
2j

If the impedance matrix Z is symmetric, then both
R and X are real symmetric matrices, and R is positive
semidefinite. Consider the following weighted eigen-
value equation:

ZJn - vnWJn, (4)

where J,, is the eigenvector, v, is the eigenvalue, and W
is a constructed matrix that diagonalizes the impedance
matrix Z on the left. It is easy to see that as long as W is
a symmetric matrix, the requirement is met. However,
to ensure orthogonality in the far field of the mode,
W =R and v, = 1 4 jA, is chosen. Substituting into
equation (4) get equation (5). The CMs of a perfectly
electrically conducting (PEC) body can be determined
through a generalized eigenvalue equation [17]:

XJ, = L,R],. (5)

Here J,, and A, are characteristic current and eigenvalue
of the nth CM, n is the index of the order, and R and X
are the real and imaginary parts of a method of moment
(MoM) impedance matrix calculated for the electric field
integral equation (EFIF) [18].

FENG, YANG: DISTRIBUTED HETEROGENEOUS CONFORMAL METER-WAVE PHASED ARRAY

Figure 2 displays normalized characteristic electric
field and characteristic current distribution diagrams for
four randomly chosen significant modes (mode 1, mode
11, mode 31, and mode 61) out of the 90 identified
modes. In mode 1, dominant currents spread in four
directions along both sides of the pod and the airship
gasbag. Mode 11 exhibits maximum transverse currents
along the three edges of the two tail fins. Mode 31
resonates along the edges of the tail and the propulsion
unit. Mode 61°s maximum current is distributed across
multiple structures.

To ensure that only physically meaningful modes
contribute to pattern synthesis, a quantitative criterion
was used to define “significant” modes. The modal
significance (MS) is expressed as:

MS =1/[1 4 j2a, (6)

where A, is the eigenvalue of the nth mode. Modes with
MS,, > 0.1 and radiation efficiency exceeding 80% were
selected as significant modes. In total, 90 modes were
calculated, from which four representative significant
modes (1st, 11th, 31st, and 61st) were extracted for
optimization and synthesis. This formal selection crite-
rion aligns with the classical CM theory proposed by
Harrington and Mautz [18], ensuring both physical inter-
pretability and numerical robustness of the optimization
process.

For exciting a specific mode, a suitable current
excitation should align with the characteristic current
distribution. Modes 1 and 11 have radiation patterns
with four beams of nearly equal amplitude, but their
distribution planes differ (XOZ for mode 1 and XOY
for mode 11). The lobes of modes 31 and 11 are
relatively close, and the maximum radiation direction
of mode 61 is also close to that of mode 1. However,
these higher-order modes exhibit high sidelobe levels
(SLL), as predicted from their current distributions. The
selected modes are representative, and other signifi-
cant modes lack scanning beams in their characteristic
electric fields. Although a single mode is insufficient,
their characteristic fields provide sufficient degrees of
freedom for scanning pattern synthesis.

Table 1: Modal significance for a metal platform’s first
four modes. Mode 1 resonates at 4 GHz, with no other
significant modes at this frequency

Mode 1 2 3 4 5
No.
MS 0.898951 | 0.294527 | 0.189356 | 0.136325 | 0.0504503

B. Radiation pattern synthesis
Conventionally, the cost function of the multi-
objective optimization algorithm is set according to the
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current of the significant mode of a metal platform.
(b) Schematic diagram of significant mode and electric
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Fig. 4. Top view of couple-line CE integrated on the
platform.

parameters of desired radiation patterns. In this design,
to optimize the beam direction and the energy distribu-
tions, the following three cost functions are set:

fila®) =165 — O3l + 108 — Phihea . (D

ffS |EL‘U(97(p)‘2dS
(k) — _ 2/ Sur g
fale) Ifs. | Ewow (0, @) |?ds’ ®)
Ecross 6, 2d
Fi(a®) = Hspr | (6,9)[ds ©

s, [Eww(6,0)2ds

Here ot = {Ocl(k), e Oti(k), e a]<\,k)} is the complex
weighting coefficient of the ith significant mode in the
kth iteration of the MOEA/D. The magnitude and phase
of a® (1 <i < N) are in the range of [0, 1] and
[0, 27], respectively. (0o, @:ax ) is the elevation
and azimuth angle of the maximum beam pointing of
desire radiation 65,* and @5 is the elevation and
azimuth angle of the maximum beam pointing of co-
polarized field components for the complex weighting
coefficient a¥). The beam pointing of the synthesized
pattern is constrained by the cost function fi(a®)). By
changing the constants, optimization at different scan-
ning angles can be achieved. The cost function fz(a(k))
is the ratio of the co-polarization energy in the main lobe
range (Syg) to the total energy on the entire sphere (S),
to ensure that the energy is concentrated in the set range
as much as possible. Since the MOEA is to optimize
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Fig. 5. Couple-line CE: (a) reflection coefficient and (b)
radiation pattern.

Fig. 6. Excitation locations over the airship platform.

each objective to the minimum value, a negative sign
is added before the ratio. The cost function f3(a®)) is
defined to minimize the ratio of the cross-polarization
energy in the main lobe range (Syg) to the total energy
on the entire sphere (S).

CM analysis and modal impedance extraction were
conducted using an in-house C++ MoM solver compiled
with Code::Blocks (MinGW64), following the workflow
described in the program instruction manual, where
the HFSS-derived mesh model (.nas) was imported
and solved in Release mode for improved numeri-
cal stability. The subsequent beam synthesis optimiza-
tion employed a C++ implementation of the MOEA/D
multi-objective differential evolution algorithm, target-
ing main-lobe steering accuracy, polarization purity, and
sidelobe suppression, while post-processing and visual-
ization were performed in MATLAB. Each optimization
run included 300 generations with about 178500 fitness
evaluations, executed on a workstation equipped with
an 11th Gen Intel Core i7-1165G7 CPU (2.80 GHz,
4 cores), 16 GB RAM, and Intel Iris Xe Graphics,
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requiring a total runtime of approximately 57574 s
(=16 h). This configuration confirms that the proposed
CM-MOEA/D closed-loop framework can be efficiently
implemented on a standard PC.

Based on the cost function established by the
MOEA/D, the characteristic field and current component
obtained from the CM analysis platform can be utilized
to solve at the current scanning angle. Subsequently, the
solver produces a set of Pareto-optimal solutions for the
synthesized field and current solution.

III. DISTRIBUTED HETEROGENEOUS
CONFORMAL ARRAY DEVELOPMENT
This paper focuses on the current distribution of
the synthesized mode as the main basis for designing a
distributed heterogeneous conformal array for an airship
platform. The design and arrangement of CEs will be
based on this distribution, and MOEA/D will be used to
obtain the normalized excitation amplitude and phase of
multiple CEs at various scan angles. This section also
presents the measured results.

A. Coupling elements design
The excitation structure can stimulate single mode
or synthesized mode current using electric field or
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Fig. 8. (a) Sy; in the array environment active reflection
coefficient at scan angle of 0°. (b) Radiation efficiency
of antenna array at different scan angles.

magnetic field induction methods. The metal platform,
based on the airship is tail structure, demonstrates this.
Figure 3 (a) shows characteristic fields and currents for
the platform’s dominant mode at 4 GHz, with currents
mainly along the platform’s longest edges. In Fig. 3 (b),
a half-ring antenna is positioned vertically along the
platform’s long edge, with a 0.066 pF capacitor at the
port. The electric field excited by inductive coupled
element (ICE)aligns well with the characteristic electric
field. It is also important to mention that the CM isn’t
linked to the external excitation source. Thus, CEs don’t
need to be included in the airship is CM analysis.
However, the CEs’ physical size should be minimized
to avoid a significant impact on the characteristic value
and electric field of the airship.

The airship platform structure, including the airbag,
must ensure continuity. Embedded schemes are avoided
in the design of CEs, and conformal requirements are
met through low profile and electrically small size.
The interdigital coupling line’s deformation structure is
based on the classical half-ring CE, as shown in Fig. 4.

1068



1069 ACES JOURNAL, Vol. 40, No. 11, November 2025

Table 2: Performances comparison for proposed airship-based CM-MOEA/D framework with existing CM-based
designs, showing a wider +60° continuous scanning range, lower sidelobes, and improved polarization control
compared with prior VHF and side

Ref. Operating Band Number of Beam Scanning Radiation Sidelobe
Effective Modes Range Efficiency Level (SLL)

[19] VHF band 3—4 dominant < +45° discrete 75-80 % (main —10 dB typical
(118-137 MHz) modes beams beam)

[20] 2.4 GHz WLAN 2 magnetic Fixed broadside 70-78 % —15dB (E/H
band modes dual-pol radiation planes)

This Work | Meter-wave (100 | 12 dominant +60° continuous >85 % (full <—13dB
MHz, scaled to 4 | modes scan with stable gain | scan) across scan
GHz model)

Frequency (GHz)
(b)

Fig. 9. (a) Prototype of the fabricated antenna array.
(b) Measured reflection coefficient.

A lumped capacitor of C = 0.6 pF is added to the
structure for impedance matching, with a dielectric plate
of & = 2.2. Figure 5 depicts the reflection coefficient
and radiation pattern of the coupled line CE, with a
maximum realized gain of 4.2 dBi. The distributed
inductance, created by deforming part of the half-ring
radiator into an interdigital coupling line, has a tuning
effect on the CE. Additionally, the coupled line CE

includes two deformation structures that simultaneously
stimulate the CM of the platform, thereby enhancing the
bandwidth to a certain extent.

Compared with modal synthesis results in [19],
where four dominant aircraft modes produced discrete
+45° scanning with —9 dB SLL, the present design
utilizes 12 significant modes to realize continuous £60°
beam scanning and SLL below —13 dB. This indicates
that the proposed CM-MOEA/D framework approaches
the modal-limited directivity bound while balancing
beamwidth and side.

In this paper, a scaled prototype was employed, the
operating frequency was proportionally scaled, main-
taining the same electrical size and equivalent number
of effective CEs as in a full-scale airship. This approach,
also adopted in [21], ensures electromagnetic equiv-
alence while facilitating laboratory measurement. The
proposed array is fully conformal with the airship body,
where the CEs function as distributed excitation struc-
tures rather than protruding antennas, avoiding added
aerodynamic and structural loads. For large apertures,
modular subarray optimization can be applied within
the same CM-MOEA/D framework, ensuring scalability
and practical feasibility.

B. Distributed heterogeneous phased array design

The CEs (P18 to P29) are positioned as shown in
Fig. 6. The beam scans in the negative Y-axis direction
and transforms into symmetric excitation to obtain the
scanning beam on the other side. Fine-tuning the CE size
and patch capacitance is necessary to match the input
port impedance.

This paper proposes a method to determine excita-
tion amplitude and phase of CEs at different scan angles.
It involves: (a) adjusting excitation amplitude based on
current distribution; (b) conducting full-wave simulation
on the airship platform; (c) using MOEA/D based on
far-field information to solve for excitation amplitude
and phase. The excitation power of CEs is discretized,



and the optimized excitation amplitudes for the radiation
beams are shown in Fig. 7. Additionally, some CEs
will have small amplitudes of excitation to optimize
side lobe and cross-polarization level. The array S»; is
depicted in Figs. 8 (a) and 8 (b), the radiation efficiency
exceeds 80% at different scan angles near the working
frequency, enhancing the platform’s radiation efficiency
and increasing the radiation aperture compared to tradi-
tional meter-wave antennas.

C. Antenna performance

The scale airship platform and CEs were fabricated.
The length of the platform is 515 mm, and the material
is brass for easy welding. As for the coupling line
CE, it is difficult for the short-circuit column to weld
and support the weight of the coaxial transmission line
under the scaled size. The overall coupling line structure
is not changed. A Taconic RF-35 dielectric plate with
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thickness 1.52 mm and &, = 3.5 is adopted. The short-
circuit column is redesigned as a metallic via, allowing
the entire bottom surface of the CE to be brought into
contact with and mechanically fixed to the platform. In
addition, since no lumped elements are employed, no
extra matching network is required, thereby avoiding the
associated tolerance and mismatch errors.

Figure 9 (a) displays the fabricated prototype of
the distributed heterogeneous phased array system. Fig-
ure 9 (b) illustrates the measured reflection coefficient
of the array. Despite machining errors in the platform
and CEs, deviation in the fixed position of the CEs, and
error amplification during scaling, the reflection coeffi-
cient experiences a certain degree of deterioration and
frequency deviation. Nevertheless, with the exception of
a few CEs, the reflection coefficient satisfies the require-
ment of being less than —6 dB near 4.06 GHz. As a
result, the simulated and measured radiation patterns in
the E-plane (XOY plane) at 4 GHz is shown in Fig. 10.
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Fig. 10. Simulated and measured radiation patterns in the E-plane (XOY plane) at 4 GH. (a) Beam steered
[(0,¢) = (90°,330°)], (b) beam steered [(0, ) = (90°,345°)], (c) broadside [(0, ¢) = (90°,0°)], (d) beam steered
[(0,¢) = (90°,15°)], (e) beam steered [(0, @) = (90°,30°)].
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To facilitate easy coaxial line fixation and minimize radi-
ation impact with small unit spacing, we adopted a thin
coaxial line with an outer diameter of 0.9 mm, which
results in relatively large insertion losses. Furthermore,
the CEs’ reflection coefficient displays varying degrees
of frequency deviation, and installation position and
platform structure errors lead to a decrease in measured
gain. However, the beam direction at various scan angles
correspond well with the simulation results and has low
levels of cross-polarization and sidelobes.

The airship-based conformal array is designed with
system-level integration in mind. The low-profile struc-
ture conforms to the curved envelope, effectively min-
imizing aerodynamic drag and payload protrusion. The
number of active modes is determined using the modal
significance threshold (MS > 0.707), ensuring efficient
excitation without unnecessary modal expansion. This
constraint not only reduces structural and computational
complexity but also maintains stable directivity and low
sidelobe levels. Furthermore, the smooth surface integra-
tion helps reduce RCS and improve stealth compatibility
for high-altitude platforms.

IV. CONCLUSION

This paper outlines a CM-based approach for
designing a distributed heterogeneous conformal phased
array system. It considers polarization characteristics
and beam switchable ability for specific communication
requirements. This guides the placement of the designed
coupling line CEs. The system achieves a 60° beam
scanning range on both sides of the airship platform,
with a gain of over 10 dBi at different scan angles. A
1:40 scale model was fabricated and measured to vali-
date the design method. This approach can be applied to
the design of conformal phased array antennas on other
platforms.
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Abstract — In this paper, we proposed a multiple graph-
ics processing units (GPU) platform accelerated dis-
continuous Galerkin time-domain (DGTD) method for
solving electrically large-scale problems. Rather than
simply porting the code to a GPU, we proposed a cache
optimization strategy tailored to the GPU architecture.
Furthermore, by grouping and reordering the elements
and employing asynchronous techniques, we achieve a
linear speedup ratio when scaling across multiple GPUs.
The numerical examples not only validate accuracy of
the proposed method, but also demonstrate excellent
performance, achieving up to 40 times speedup even
compared to parallelism CPU implementations.

Index Terms — Discontinuous Galerkin time-domain
(DGTD) method, multiple graphics processing units
(multi-GPU).

I. INTRODUCTION

Electrically large-scale problems have always been
a challenge in computational electromagnetics (CEM).
Their considerable computational complexity demands a
combination of high-performance hardware and efficient
algorithms. Among various electromagnetic numeri-
cal methods, the discontinuous Galerkin time-domain
(DGTD) method [1-4] has attracted growing attention
from researchers. As an efficient algorithm, DGTD
offers greater flexibility than traditional approaches
when dealing with complex problems, as it supports
non-conformal, unstructured, and mixed-type meshes
while maintaining reliable accuracy [5-7]. The numer-
ical flux introduced by the finite-volume time-domain
(FVTD) method [8] allows the boundaries between adja-
cent elements to be non-conformal. Moreover, models
can be decomposed into several subdomains with dif-
ferent time iteration step increments [9, 10], facilitating
the solution of multiscale problems. DGTD also exhibits

Submitted On: September 03, 2025
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strong potential for parallel computing [11-13]. During
the time iteration process, computations within each
element are entirely independent, making DGTD highly
suitable for high-performance computing (HPC).

However, traditional CPU-based parallelization is
still unable to handle such large computational loads.
Consequently, GPU-based acceleration has attracted sig-
nificant attention in DGTD research. In [14], DGTD was
deployed on the GPU, achieving approximately 50 times
speedup over serial computation. The authors of [15]
implemented a hybrid MPI/GPU DGTD algorithm with
local time stepping (LTS). In [16], the GPU-accelerated
DGTD method was used to solve the scattering prob-
lem of electrically large targets. In [17], GPU-DGTD
is used to solve hybrid meshes. The authors of [18]
implemented GPU acceleration of a low-storage Runge-
Kutta (LSRK) time iteration method. The authors of [19]
used GPU-accelerated DGTD to simulate EM systems
with field-circuit interactions. A common limitation in
the above studies is that they do not fully leverage
systems equipped with two or more GPU, and the use
of multiple GPUs has been widely applied in other
numerical methods. The authors of [20] assembled the
finite-element method (FEM) matrices on both single
GPU and multiple GPUs. The authors of [21, 22] discuss
strategies for load balancing and for reducing cross-GPU
communication. The authors of [23] solved FEM using
a distributed message passing interface (MPI) approach.
Unlike these algorithms, the DGTD has lower memory
requirements when solving electrically large-scale prob-
lems, but its challenge lies in the massive amount of
computation. Therefore, using multiple clusters actually
increases unnecessary communication overhead. DGTD
is better suited to a shared-memory programming model,
using OpenMP to control multiple GPU devices, and
also offers the practical advantage of minimal intrusion
into the existing codebase. For example, a multi-GPU
leap-frog scheme was proposed in [24].

https://doi.org/10.13052/2025.ACES.J.401103
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This paper proposes a multi-GPU DGTD method.
Combined with an asynchronous multi-GPU strategy
to hide data transmission time and cache optimization
strategy to minimize data access latency, our method
delivers superior performance, enabling the solution
of electrically large-scale problems that are intractable
with traditional CPU-based approaches due to excessive
computational demands.

II. FORMULATIONS AND GPU
ACCELERATED IMPLEMENTATION
A. DGTD method

In the source-free region 2, consider Maxwell’s
equations in the time domain:

JH
HWZ—VXE (D
E
SW—VXH—GE, 2)

where € is the permittivity, ( is the permeability, ¢ is
the conductivity, E is the electric field intensity, and H
is the magnetic field intensity. To solve equations (1)
and (2), the computational domain Q is divided into K
non-overlapping tetrahedral elements as Q ~ Ule Q.

Here we express (1) and (2) as the conservation
formulation [25]:

Qdq+V-F=0, 3)
in which
. e, xE e, xE e, xE
V-F =0 {exxH} 0 {eny} +9 [esz4’)
w0
H
- 0

where ey, e,, and e; are the unitary vectors along the axis
in the cartesian coordinate system.

In each tetrahedral element Q;, we assume that
the approximation solution of (3) is g (r,#) and can be
expressed as:

Np

a(r,r) =Y q(ri0)li(r), @)
i=1

where /;(r) is the Lagrange polynomial basis function,
N, is the number of degrees of freedoms (DOFs) and its
relationship with the number of Lagrange order 7 is:

(n+1)(n+2)(n+3)

N, = : : ®)
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Since @*(r,¢) and ¢*(r,?) are not identical, we use
Galerkin’s method to force the projection between the
test function and residual to be zero. We have the semi-
discrete system of Maxwell’s equations:

E
eMk‘;—t =Sk x H+]{m nx (Fg —Fp)lf(r)dr, (9)
k

JH
uMEZE — gk E+£Q n x (Fj; —Fj)If (r)dr,
k

ot
(10

where M* and S* are the local mass matrix and stiffness
matrix, respectively, and n denotes the unit normal vec-
tor points from the element Q; to the neighbor element.

In the DGTD method, the fields inside each ele-
ment must remain continuous, while discontinuous are
allowed across the boundaries of adjacent elements.
These adjacent elements are connected through the
numerical fluxes, so the solving process inside each
element is independent and parallelizable. There are a
variety of types of numerical fluxes to choose from, and
here we list only the formulation of the central numerical
flux:

1

an*:Enx(EﬂLE*), (11)
1

an*:Enx(H++H—), (12)

where E™ or H™ denote the field inside the element Q;
on the boundary, and E™ or H™ denotes the field in the
neighbor element on the boundary.

The equations above can be solved by various meth-
ods. Considering that the memory resources of the GPU
are limited, we employ the LSRK [18] method to solve
the DGTD equations:

PO = qn(t)
Ki = aK; 1 +Atf(Pi_1,t +c;At)
P, =P, +bK; ’
q,(t +Ar) =Ps (13)

where subscript i is taken to be 1, 2, 3, 4, and 5, which
means the number of stages, coefficients a;, b;, and c;
define the properties of the LSRK, and At is the time
step of DGTD.

B. Multi-GPU accelerated DGTD implementation
Among the various GPU programming frame-
works, compute unified device architecture (CUDA) was
selected as the primary platform for our multi-GPU
DGTD implementation, owing to its mature architecture,
comprehensive toolchain, and widespread community
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support. To fully leverage the floating-point computing
power brought by GPUs, DGTD must be parallelized as
fine-grained as possible. According to the previous sec-
tion, during each iterative step, the electric and magnetic
field at each Lagrange-Gauss-Lobatto (LGL) point can
be computed independently. These field components,
such as E, and E,, are defined as the smallest parallel
tasks, as shown in Fig. 1.

Device Calculation task g

Grid blockldx.x= .
Block Block Block
0,0) (1,0) (2,0)

Block Block Block
0,1) (1,1) 2,1)

blockIdx.y
Block threadldx.x
Thread Thread Thread
(0,0) (1,0) 2.,1)
Thread Thread Thread
0,1) (L,1) (2,0)
threadldx.y

Y Np

Fig. 1. Computing tasks of six scalar fields on one
LGL point are packed as the minimum parallel unit and
distributed to a Thread of a CUDA kernel function.

When using multiple GPU devices, it is better
to use GPUs with the same specifications to ensure
balanced computational load distribution. Maintaining
a balanced load across devices is important to avoid a
situation where one device is working while others are
idle. Especially when the complex problems require a
large number of iterations, the efficiency loss cannot
be ignored. Assume that the computing platform has
Ngevice CUDA devices. During the iterative process, the
host will launch N ;.. CPU Threads, and each GPU is
assigned to its corresponding CPU Thread. Each GPU
is assigned an equal share of the total tasks, which is
(K X Np)/Ndevice-

The key distinction between multi-GPU and single-
GPU execution lies in the data dependency for numerical
flux calculations. Each element requires field data from
its neighbors to compute the numerical flux. When using
a single GPU to execute time step iterations, the data can
be stored in the device memory, and there is no need to
exchange data with the host memory during the iteration.
However, when using multiple GPUs for iterations, if the
neighboring elements are in the same device, they can be
directly obtained, but if they are in different devices, they
need to be obtained from the storage of other devices.
Consequently, in each time step of iteration, although the
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calculation time of multi-GPU is reduced, the additional
data exchanges will cause performance loss.

C. Rearrange elements and asynchronous iteration

Load distribution does not simply divide the mesh
elements into several equal parts and assign them to
different devices. Because the mesh generated by the
pre-processing software is not always ordered, direct
distribution will cause a large amount of information to
be exchanged between devices. Therefore, we need to
reduce the number of exchanged elements as much as
possible when grouping mesh elements. In this paper,
the mesh is partitioned into several equal sections along
its longest axis, as shown in Fig. 2.

AVAVAVAVAVAVAVAVAVAVAVAVAVAVAVAVAVAVAVAVA‘AVA‘»'A‘A‘"A'VAVAVA.VAVLWVELVA"AVA"&VA"HAVA‘Z{
AV A YAVAVAVAY NVYVVVVVVVV JAVAVAY AN
SOEANARNNNNNNNNNINY
OOOROOCEOOEOANN
- -
IR IR III IS KRR
TRERERIERERERERRRY.

7AY A A

PNV VYV VAV SAYAYVAV\VVAVAVAVAVAVAVAVAVAV,AV \WAVAVAVAVAVAVAVAV, vvvvvvvvlﬂ
VAVAVAYAVAYAYAYAVAYAVAVAYAVAYAYAVAVAYAVAVAVA‘FAVAVMMVMA NN Vt"A?"A.V*VEAV&Wm
NN\ INNIN ANNNAN

. Device | .‘ A Internal Element A Exchange Element

Fig. 2. Schematic diagram of the elements grouping
of the target. Elements that are not connected to other
groups are called internal elements, otherwise they are
called exchange elements. Elements in the same group
will be assigned to the same CUDA device.

During each iteration, the data of the exchange
elements in each group needs to be transferred to other
devices. While grouping only reduces the number of
these elements, the storage order of exchange and inter-
nal elements becomes interleaved. Since data transfer
between GPU and host is most efficient when performed
as a single contiguous Block, we rearrange the element
order within each group. In this paper, all data of
exchange elements within a group are placed at the head
of the array, as shown in Fig. 3.

Exchange elements
data of current group

/
/

CUDA Cores ||,/
Memory Internal elements

data of current grou
Device I | group

CUDA Cores
n Memory

Device 0

Data Data
Transfer Transfer
Step 1 Step 2 \

Exchange elements
data of other group

T

‘ Memory - ‘ Y Device
Host | Memory

Fig. 3. Schematic diagram of data transfer during time
step iterations.

Since the data transfer is significantly slower than
computation, reducing only the amount of exchanged
data does not yield satisfactory acceleration. However,
the asynchronous characteristics of CUDA provide a
solution by allowing the GPU to overlap computation
with data transmission. To leverage this, we propose an
asynchronous iteration strategy. In each time step, the



exchange elements are computed first, and then differ-
ent CUDA streams are used to simultaneously execute
two tasks: transferring the exchange elements data and
computing the internal elements. Because the number
of internal elements is much larger than the exchange
elements, the time of data exchange can be covered by
the calculation time, thereby masking the latency of data
exchange.

D. Cache optimization strategy

The low memory consumption of DGTD mitigates
the constraints of limited GPU memory capacity, thereby
leveraging its advantages in speed and bandwidth. Fur-
thermore, this section introduces an on-chip caching
strategy designed to further accelerate data access.

As shown in Fig. 1, when a CUDA kernel func-
tion is launched, the kernel initializes a Grid contain-
ing multiple Blocks. These Blocks are distributed to
streaming multiprocessors (SMs) for execution. Within
each Block, Threads can transmit data through on-chip
Shared Memory, which offers lower latency than global
memory. In our implementation, all tasks on one element
are packed as a Block, which means they can share
the same set of geometric and material data, and only
need to access the global memory once. In addition,
we utilize texture memory to accelerate data retrieval
from global memory. By binding the texture references
to the corresponding global memory regions, CUDA
cores can access the required data in fewer clock cycles.
Additionally, the data that has been accessed will be
stored in the on-chip cache, avoiding accessing the
global memory again, which further optimizes memory
performance.

III. NUMERICAL RESULTS

In this section, we will use several numerical exam-
ples to demonstrate the accuracy and efficiency of the
multi-GPU DGTD method proposed in this paper.

A. Cache optimization and asynchronous data

exchange strategy

The first example will be used to verify the accu-
racy and efficiency of the multi-GPU DGTD in solving
radiation problems. As shown in the Fig. 4, we built
a 50¥*60 mm patch antenna model and divided into
24080 tetrahedron elements. The substrate material has
€ =4.4and u = 1. We solved the S11 parameters from
1 GHz to 10 GHz. As can be seen from the Fig. 4, the
proposed method also has reliable accuracy compared
with software HFSS [26] in solving radiation problem:s.

In this example, the performance of our strategy
was evaluated on a Dell workstation equipped with three
Nvidia Quadro K6000 GPUs. We first use one GPU to
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test our cache optimization strategy, and the computation
times are shown in Table 1. In the baseline code without
cache optimization, CUDA cores directly read and write
to the device memory. In the cache-optimized version,
the CUDA core will read data through the texture
memory, and the data during the calculation process is
temporarily stored in registers and Shared Memory and
are written to the device memory after the calculation is
completed, which minimizes interaction with the device
memory. It can be seen from Table 1 that using cache
instead of device memory as much as possible can
effectively improve computing efficiency.

3 HESS |
» DGTD|
el s ; ; ; ; ; ; ; ;
1 2 3 4 s 6 7 8 9 10

Frequency (GHz)

Fig. 4. Patch antenna model and comparison of numeri-
cal results of Multi-GPU DGTD and HFSS.

Table 1: Time comparison of antenna model with and
without cache optimization

Method Number of GPUs | Calc. Time (s)
no cache opt. | 1 4370.1
cache opt. 1 1869.1

Table 2: Time comparison between synchronous and
asynchronous data exchange

Method Number of | Calc. Acc.
GPUs Time (s) | Ratio

Synchronous 3 715.06 2.61

Asynchronous | 3 687.73 2.72

Next, we validated the multi-GPU implementation
based on the asynchronous data exchange strategy. The
cache-optimized single-GPU program from the previ-
ous test will be used as the baseline because it does
not require data exchange. The computation times of
synchronous and asynchronous strategy program are
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compared in Table 2. Acc. Ratio in Table 2 denotes the
acceleration ratio and represents the ratio of the solving
speed of different methods to the baseline, calculated
as the execution time of the baseline divided by our
proposed approach. From the time comparison, it can
be seen that multi-GPU implementation has a significant
acceleration compared to single GPU. Furthermore, the
efficiency improvement brought by the asynchronous
strategy makes the speedup of multi-GPU implementa-
tion setups closer to linear.

B. Efficiency Comparison Between GPU and CPU

In this example, we expand the problem size to
demonstrate the advantages of the multi-GPU strategy
over traditional CPUs. We designed a perfect electric
conductor (PEC) ship model as shown in Fig. 5. The
ship model has a length of 50 m and 125477 tetrahedron
elements. The bistatic radar cross-section (RCS) of the
ship at 100 MHz frequency is solved and compared with
the results of Feko [27] and CST [28] in Fig. 5. It can be
seen that our method has reliable accuracy in calculating
complex electrically large-scale targets.

T T T T T T 1

30

20

Bistatic RCS (dBsm)

Feko
CST
5 DGTD
0 1 1 1 1 1 1 1 1

0 20 40 60 80 100 120 140 160 180
Theta (degree)

Fig. 5. Ship model and comparison of numerical results
of Multi-GPU DGTD, Feko, and CST.

Table 3: Comparison of calculation time of ship model
between CPU and GPU

Hardware | Calc. Time
CPU 18h
GPU 1649.7 s

We believe that it is unfair to use products with
different positioning or release times when comparing
the efficiency between CPU and GPU. Therefore, in
this example, the GPU program was executed by two
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Nvidia RTX 2080Ti, the CPU program was parallel
executed by Intel 19-9900k with all eight physical cores.
Hardware used in this example are flagship products
of the same period. Furthermore, the GPU program is
compiled by nvcc, and CPU program is compiled by
icpx, which can provide more aggressive optimizations
for Intel CPU to maximize performance, making them
several times faster than CPU programs compiled by
nvce. From the time comparison in Table 3, we can
see that the efficiency improvement of our multi-GPU
DGTD is very impressive.

IV. CONCLUSION

In this paper, we proposed a multi-GPU acceler-
ated DGTD method for solving electrically large-scale
problems. Through cache optimization strategy and
asynchronous data exchange strategy, we improved the
efficiency of GPU programs and achieved linear speedup
when using multiple devices. The several numerical
examples not only prove that the proposed method is
effective and accurate but also show that, when encoun-
tering complex electric large-scale problems that the
CPU program cannot solve in a limited time, using GPU
is the only option.
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Abstract — User-Centric Cell-Free Massive Multiple-
Input Multiple-Output (UC-CFmMIMO) is a promis-
ing architecture for B5G networks, offering improved
spectral efficiency (SE) and fairness by enabling joint
transmission from distributed access points. However,
uplink power control remains challenging due to inter-
user interference and the decentralized network struc-
ture. This paper introduces a Grey Wolf Optimiza-
tion (GWO)-based uplink power control scheme tai-
lored for UC-CFmMIMO, targeting two practical objec-
tives: maximizing sum SE and enhancing user fairness.
Inspired by the hunting behavior of grey wolves, the
proposed algorithm efficiently navigates the non-convex
solution space without relying on convex assump-
tions. Numerical results demonstrate that the proposed
scheme significantly improves fairness among users
(e.g., achieving 3.39-bit/s/Hz at a cumulative distribu-
tion function (CDF) of 0.1) while maintaining high
throughput performance (e.g., 118.99-bit/s/Hz at a CDF
of 0.5). Moreover, the algorithm exhibits excellent scala-
bility and computational efficiency, making it a practical
and effective solution for large-scale BSG deployments.

Index Terms — Grey wolf optimization, max-min
fairness, sum-rate maximization, uplink power control,
user-centric cell-free massive MIMO.

I. INTRODUCTION

Next-generation wireless networks (B5SG/6G) are
envisioned to support massive connectivity, ultra-
reliable low-latency communication, and pervasive
intelligence across diverse industrial and urban scenarios
[1-6]. User-Centric Cell-Free Massive Multiple-Input
Multiple-Output (UC-CFmMIMO) represents a pivotal
component in the architectural evolution toward B5G
networks, where densely distributed access points (APs)
collaboratively serve users without cell boundaries. This
cell-free and user-centric paradigm enhances spectral
efficiency (SE), fairness, and scalability, enabling seam-
less connectivity in ultra-dense and Industry 4.0/5.0

Submitted On: March 30, 2025
Accepted On: October 25, 2025

environments such as smart factories, autonomous sys-
tems, and intelligent logistics [5-9]. Through central-
ized coordination and flexible resource allocation, UC-
CFmMIMO supports the hierarchical and distributed
computing architecture fundamental to B5G network
design.

Power control remains a key enabler for UC-
CFmMIMO performance optimization by mitigating
inter-user interference and regulating transmission
power efficiency [5]. Conventional convex-based opti-
mization methods, including geometric programming
and bisection search [7—10], provide analytical tractabil-
ity but exhibit limitations in large-scale non-convex
settings due to their high computational complexity and
reliance on convexity assumptions [11-14]. The fixed-
point algorithm (FPA), while effective for convex formu-
lations, encounters convergence degradation under user-
centric interference coupling and dynamic channel con-
ditions [5]. These pitfalls restrict adaptability to rapidly
varying topologies and heterogeneous quality of service
requirements in dense B5G deployments.

Recent research has explored advanced computa-
tional intelligence to overcome these challenges. In
particular, Grey Wolf Optimization (GWO) has gained
attention as a population-based metaheuristic that effi-
ciently explores non-convex search spaces and mit-
igates premature convergence [15-17]. Beyond clas-
sical optimization, machine learning and intelligent
control have emerged as complementary approaches
for adaptive communication and control systems. For
instance, machine learning-enabled channel estima-
tion (CE) frameworks, such as distributed compressed
sensing-based MIMO-filter bank multicarrier estima-
tion for Industrial Internet of Things (IloT) [18], low-
complexity sparse CE for industrial big data [19],
and sparse Bayesian learning-based CE for Filter bank
multicarrier with offset quadrature amplitude modu-
lation IIoT networks [20], demonstrate the capability
of learning-assisted models to address sparsity, inter-
ference, and channel uncertainty. Likewise, intelligent
control models, including fuzzy-tuned brain emotional
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learning-based intelligent controller for satellite attitude
regulation [21] and linear matrix inequalities-based sta-
bilization of input derivative positive systems [22], illus-
trate the adaptability of learning-driven optimization and
control paradigms across dynamic environments.

Motivated by these developments, this study pro-
poses a GWO-based centralized uplink power control
framework for UC-CFmMIMO networks, aligned with
the B5G vision of sustainable, intelligent, and energy-
efficient connectivity. Two distinct optimization formu-
lations are considered: a fairness-oriented design maxi-
mizing the minimum SE among users and a throughput-
oriented design maximizing the aggregate SE. The
GWO algorithm is adapted to efficiently solve each
non-convex problem without convex approximation,
enabling scalable operation under dense user and AP
deployments. Simulation results demonstrate that the
proposed GWO-based schemes achieve superior trade-
offs in fairness, throughput, and computational effi-
ciency compared with conventional FPA, full power
control (FPC), and bat algorithm (BA) benchmarks.

The main contributions of this paper are summa-
rized as follows:

* We formulate two uplink power control problems
in UC-CFmMIMO networks, one designed to
enhance user fairness and the other to maximize
system throughput.

* We adapt and integrate the GWO algorithm into
the UC-CFmMIMO uplink power control frame-
work, marking its first application in this context
to effectively solve the formulated non-convex
problems.

* We provide extensive simulation-based compar-
isons with conventional schemes (FPA, FPC) and
BA to evaluate the performance of each proposed
formulation in terms of SE, fairness, computa-
tional complexity, and scalability.

The remainder of this paper is structured as fol-
lows. Section II presents the system model. Section III
formulates the optimization problem. Section IV details
the proposed GWO-based solution. Section V provides
numerical results validating the effectiveness of our
approach. Section VI concludes the study and discusses
its implications for sustainable wireless networks.

II. SYSTEM MODEL

We consider a UC-CFmMIMO network consisting
of K single-antenna user equipment (UE) and L APs,
each having N antennas as indicated in Fig. 1. The
wireless channel is assumed to follow the block-fading
model, where the channel remains constant over a coher-
ence block and changes independently between blocks.
A coherence block is a time-frequency block whose time
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duration equals the coherence time and whose band-
width equals the coherence bandwidth. Hence, the chan-
nel between each AP-UE pair is constant and frequency-
flat within a coherence block and can therefore be
represented by a single channel realization.

In the considered time-division duplex protocol,
each coherence block consists of 7, transmission sym-
bols, which are divided into three parts: 7, symbols
for uplink pilots, 7, symbols for uplink data, and 7,
symbols for downlink data, satisfying 7. = 7, + 7, + 74.
The uplink pilots are transmitted prior to downlink data
so that channel estimates can be obtained and used for
precoding.

The channel between the /th AP and the kth UE in
an arbitrary coherence block is denoted by hy € CV,
modeled as a correlated Rayleigh fading distribution
hy; ~ Ac(0y,Ryy). Here A (0y,Ry;) denotes a circu-
larly symmetric complex Gaussian distribution with zero
mean vector and covariance matrix Ry, € CV*V. The
vector Oy represents an N x 1 all-zero vector. Ry €
CN*N is the spatial correlation matrix between the /th
AP and the kth UE. The Gaussian distribution is utilized
to represent the effects of small-scale fading, while the
positive semidefinite correlation matrix Ry; character-
izes large-scale fading, which encompasses factors such
as geometric path loss, shadowing, antenna gains, and
spatial channel correlation [3-5].

Fig. 1. UC-CFmMIMO network with L access points
jointly serving K user equipment.

The uplink transmission powers can be represented
as a vector p = [pi,...,pk]T, influencing all UEs.
The uplink SE of the kth UE is determined by its
effective signal-to-interference-plus-noise ratio (SINR),
which depends on p. Specifically, the numerator of
the SINR is influenced by the transmission power py
of the desired signal, while the interference term in
the denominator is affected by all power components
in p. The effective SINR for the kthUE, applicable to
centralized uplink operations, can be expressed in a



generalized form as [5]:

bipi

SINR4(p) = —— %
k(p) c/y{*p+61<2

(1)
where by, represents the average effective channel gain of
the desired signal for the kth UE, ¢; = [¢xq, ..., k)T €
IR1§O contains the average interference coefficients, and
O'k2 denotes the effective noise variance. These parame-
ters are given by

by = [E{vDyh})? Yk, (2)

e = E{|ViIDuh|?} — by VK, 3)

i = B{V{Dh P} =i VK ViFk (4
o; = o’ E{|Devi*}, )

where E{-} denotes the statistical expectation operator.
The combining vector v; denotes the centralized receive
filter used at the CPU to extract the data of the kth
UE from the aggregated uplink signal. In a centralized
architecture the CPU collects (or has access to) the
received signal components from all the L APs and
applies a single global linear combiner v, € CHV to
the stacked receive vector. Concretely, v; is formed by
stacking the local combining vectors from each AP v; =
Vi, ...,vE]T, where vy € CV is the local combiner
applied to the N-antenna signal at the /th AP. The
combined scalar observation used to detect the kth UE is
ka y, where y is the full LN-dimensional received signal
stacked across APs. Dy = diag{Dy;,...,Dy.} is a block-
diagonal matrix. h; : i ={1,...,K?} is the channel vectors
from all K UEs. Therefore, the uplink SE of the kth UE
depends on p and can be written as [5]:

SEx(p) = “logy (1 SINRy(p)). ~ (6)

Here 7, and 7. are the numbers of symbols for
uplink data and the total symbols in a coherence block,
respectively.

Equations (1)—(6) represent the standard central-
ized SE formulation for uplink UC-CFmMIMO, derived
from the general SINR structure given in [5, Theorem
5.2]. This formulation enables a unified optimization of
the transmission powers across all UEs.

III. PROBLEM FORMULATION

The uplink power control process involves deter-
mining the appropriate uplink power levels for UEs to
maximize a specific utility function, typically related to
SE. In this study, we address two key power control
problems: max-min SE fairness and sum SE maxi-
mization, each defined by its corresponding objective
function F1(p) and F2(p), respectively.
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Here, F1(p) represents the minimum SE among
all users, aiming to enhance user fairness, while F2(p)
denotes the aggregate SE of the system, focusing on
maximizing total throughput. These functions are for-
mulated as:

Fl(p) = e {I{}{I}K} SEx(p), (7)
K

F2(p) = Y SEx(p). (8)
k=1

Accordingly, the two optimization problems can be
expressed as:

(P1): max Fl(p)

st. 0<pr<pmax, k=1,...,K. )]

P2): max F2(p)

st. 0<pr<pmax, k=1,...,K. (10)

While max-min SE fairness prioritizes users with
poor channel conditions, it may not fully exploit the
potential for higher SE in large networks. In contrast, the
sum SE maximization problem focuses on maximizing
the total number of transmitted bits, regardless of their
distribution among UEs. This approach is particularly
suitable for scenarios where each UE interferes only
with a small subset of neighboring users.

These two optimization problems highlight differ-
ent objectives: max-min SE fairness ensures equitable
resource allocation, whereas sum SE maximization pri-
oritizes overall throughput. In the following section, we
develop a GWO-based approach to efficiently solve both
formulations.

IV. PROPOSED APPROACH

We propose an uplink power control scheme using
the GWO to address optimization challenges in UC-
CFmMIMO systems. GWO efficiently explores high-
dimensional solution spaces, overcoming the limitations
of conventional methods by avoiding local optima and
ensuring robust performance in complex wireless envi-
ronments [23-25].

A. Fitness function formulation

Our approach addresses two distinct objectives:
max-min fairness and sum SE maximization. To this
end, we design separate fitness functions that directly
represent each goal under system constraints, enabling
the GWO algorithm to efficiently search for optimal
power control solutions.

For the identified problems (P1) and (P2) defined
in section III, each defined as a single-objective
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optimization, we construct two corresponding fitness
functions, F1(p) and F2(p), to guide the GWO algo-
rithm toward fairness and throughput optimization,
respectively.

The constraints define the allowable power control
range for each user, ensuring compliance with system
limitations. We set the feasible search space within
[0, Pmax], Where pmax represents the maximum transmis-
sion power. This ensures that all solutions generated
by GWO satisfy power constraints while optimizing
performance.

These formulations allow the algorithm to target
distinct power control objectives in UC-CFmMIMO sys-
tems. This separation of objectives highlights the flexi-
bility of the GWO framework in addressing diverse opti-
mization goals under a unified metaheuristic paradigm.

B. Proposed algorithm

The GWO is a metaheuristic optimization technique
inspired by the hierarchical leadership and cooperative
hunting strategies of grey wolves. It categorizes wolves
into four roles (alpha, beta, delta, omega), where the
alpha leads the search process. The key strength of GWO
lies in its ability to balance exploration and exploitation,
efficiently navigating complex solution spaces while
avoiding local optima [16].

Leveraging these properties, we develop a GWO-
based algorithm to optimize uplink power control in
UC-CFmMIMO systems. The detailed mathematical
formulation of the proposed procedure is provided in
Algorithm 1, which outlines the initialization, fitness
evaluation, position update, boundary control, and termi-
nation criteria for achieving the optimal power allocation
vector p* < p%.

First, system-specific parameters such as the num-
ber of APs, UEs, antennas, and maximum transmission
power are initialized, together with the GWO parameters
including population size, search limits, and the fitness
function. The initial power control vectors p; are then
randomly generated within the search domain to ensure
solution diversity.

Each wolf’s fitness is evaluated according to the
optimization objective, and the top three wolves (alpha,
beta, delta) are identified to guide the search. Subse-
quently, all wolves update their positions using adap-
tive coefficients that simulate encircling and attacking
behaviors, balancing exploration and exploitation.

A random exploration factor is introduced to mit-
igate premature convergence. The iterations continue
until a stopping condition is met, either the maximum
iteration count or convergence in the fitness value.
Finally, the best solution p* is returned, representing the
optimal power control vector that ensures an effective
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Algorithm 1. Proposed GWO-based uplink power
control algorithm.
Input: UC-CFmMIMO parameters; number of APs,
number of UEs K, population size 71,,, maximum
iterations nj, lower bound 0, upper bound ppx, fitness
function F(p) € {F1(p),F2(p)}
Output: Optimal transmission powers p* < p%
for i < 1 to ny,, do
ifi =1 then
P1 <~ pmaxllxl(
else
| %([prmax] 1 ><I()
end
Evaluate F(p;) and update p%, pf, p?
end
p* (_ pll
for t < 1 to nj,., do
a<— 2—2t/n,~,,er
for i < 1 to ny,, do
AJ < % ([~a,aixk),j €{a,B,6}
CJ' — 2?/([0;'”1><K'),]. E {a,[},é}
X/ +—p/ -Alo|C/op/ —pjl,je{a,B, 6}
pi— (X*+XP +x9)/3
if p; > pmax or p; < 0 then
Project p; back into [0, pmax]
end
Evaluate F(p;) and update p%, p?, p¢
end
end
return

trade-off between efficiency and fairness in uplink power
control.

V. NUMERICAL RESULTS

To evaluate the proposed GWO-based uplink power
control scheme in UC-CFmMIMO scenarios, a network
is deployed over a 1x1 km area with 100 randomly
distributed APs and 20 UEs. Each AP is equipped with a
single antenna, resulting in a total of 100 antennas across
the network. Both AP and UE positions vary across
1000 independent network setups, each simulated over
50 channel realizations to ensure statistical robustness.

Communication occurs over a 20 MHz bandwidth,
with a receiver noise power 6> = —94 dBm accounting
for both thermal noise and a 7 dB receiver noise figure.
UEs have a maximum uplink transmission power of
Pmax = 100mW, reflecting power constraints in practical
deployments. The coherence block consists of samples
aligned with a 2ms coherence time and a 100kHz
coherence bandwidth, accommodating user mobility and
outdoor propagation in sub-6 GHz bands. Large-scale
fading follows the 3GPP Urban Microcell model, with



Rayleigh fading channels exhibiting spatial correlation
based on a local scattering model.

For performance benchmarking, the proposed
GWO-based schemes are compared with conventional
methods, including FPA, FPC, and BA [26]. The BA
approach follows the same centralized uplink operation
and optimization objectives as the proposed formula-
tions, ensuring consistent evaluation criteria across all
algorithms.

For optimization, both GWO and BA operate with a
population size of 300 and 50 iterations to ensure a fair
comparison. The BA parameters are configured as loud-
ness of 0.5 and pulse rate of 0.5. The GWO algorithm
and its procedural steps are fully presented in section IV
in algorithmic form to facilitate reproducibility.

The chosen population size and iteration count were
determined based on the theoretical balance between
exploration and exploitation in population-based meta-
heuristics. In GWO, a larger population enhances global
exploration capability, reducing the risk of premature
convergence, while an excessive number of iterations
primarily improves local refinement at the cost of higher
computational complexity. In this study, the selected
configuration of 300 agents and 50 iterations achieves
stable convergence behavior and consistent optimization
performance, as evidenced in section V part A. The
convergence profiles confirm that this setting allows
GWO to reach near-optimal solutions efficiently without
requiring additional computational overhead. Therefore,
the adopted parameters are both theoretically motivated
and empirically validated to ensure robust and efficient
operation for the UC-CFmMIMO uplink power con-
trol problem. SE serves as the main performance met-
ric, evaluated through cumulative distribution function
(CDF) curves and average SE measures to characterize
both fairness and throughput trends across various net-
work configurations.

A. Effectiveness of proposed scheme

The effectiveness of the proposed uplink power con-
trol schemes is validated through extensive numerical
experiments, as illustrated in Figs. 2-5. The experi-
ments were performed on a Windows Server 2019 using
MATLAB R2023a with two Intel® Xeon® Gold 5115
Processors to assess computational performance and
convergence efficiency.

Figure 2 depicts the convergence behavior of
the normalized fitness functions corresponding to the
two optimization formulations (F1-GWO for fairness-
oriented P1 and F2-GWO for throughput-oriented P2).
Both formulations exhibit rapid convergence toward
optimality, with FI-GWO stabilizing after approxi-
mately 220 iterations and an average computation time
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of 5.25 ms. The slower convergence of F1-GWO reflects
the complexity of achieving balanced SE distribution
among UEs. In contrast, F2-GWO reaches convergence
almost instantly because maximizing the sum SE inher-
ently corresponds to full-power transmission, which is
evaluated at initialization.

After 50 iterations, the normalized fitness values
of F1-GWO and F2-GWO reach 0.96214 and 0.99991,
respectively, confirming the high convergence efficiency
of the proposed algorithm. These results demonstrate
that the selected configuration (a population size of 300,
50 iterations) achieves near-optimal performance with
minimal computational cost, providing a strong balance
between convergence accuracy and runtime efficiency.

The strong convergence behavior observed in
both FI-GWO and F2-GWO highlights the algo-
rithm’s potential for near real-time applicability in UC-
CFmMIMO systems. With an average computation time
of only a few milliseconds per optimization round, the
proposed framework can efficiently adapt to moderate
variations in user distribution or channel conditions
within a coherence block. Given that the uplink power
control problem is quasi-static over short time intervals,
the GWO process can be periodically reinitialized or
triggered by network dynamics to update transmission
powers with negligible latency. These attributes make
the proposed approach particularly suitable for practical
deployments requiring low-latency adaptation and con-
sistent trade-offs between fairness and throughput.

To benchmark SE performance, Figs. 3-5 com-
pare the proposed F1-GWO and F2-GWO schemes
against conventional FPA and FPC. At CDF = 0.1,
the F1-GWO scheme achieves 3.39-bit/s/Hz, outper-
forming FPA (3.18-bit/s/Hz). At CDF = 0.5, F1-GWO
reaches 4.24-bit/s/Hz, while F2-GWO attains 5.66-
bit/s/Hz, exceeding FPA (3.90-bit/s/Hz). These improve-
ments indicate that GWO enhances SE optimization
through dynamic adaptation of search agents, leading to
superior power allocation.

The fairness performance comparison in Fig. 4
reveals that FI-GWO consistently achieves higher min-
imum SE than both FPC and F2-GWO, confirming
its robustness in supporting users with weak links. At
CDF = 0.5, F1-GWO records 3.87-bit/s/Hz, surpassing
FPC (3.15-bit/s/Hz) and F2-GWO (3.14-bit/s/Hz). The
gain in minimum SE demonstrates that GWO effectively
mitigates interference in decentralized UC-CFmMIMO
networks, where local AP-UE associations cause hetero-
geneous link qualities.

Figure 5 illustrates the sum SE performance. At
CDF = 0.1, F2-GWO and FPC both reach 107.0-
bit/s/Hz, while F1-GWO achieves 76.6-bit/s/Hz, out-
performing FPA (63.7-bit/s/Hz). At CDF = 0.5, F2-
GWO maintains parity with FPC (118.99-bit/s/Hz), and
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Fig. 2. Convergence of the normalized fitness functions
for the two optimization objectives: F1-GWO (fairness-
oriented) and F2-GWO (throughput-oriented). The F1-
based GWO scheme converges after around 220 itera-
tions, whereas the F2-based GWO converges instantly,
confirming the rapid convergence and computational
efficiency of GWO.
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Fig. 3. Cumulative distribution of SE per user for differ-
ent uplink power control schemes. The proposed F1- and
F2-based GWO schemes outperform conventional FPA
and FPC methods, achieving higher median and tail SE
values.

F1-GWO continues to exceed FPA (89.98-bit/s/Hz vs.
77.97-bit/s/Hz). These results confirm that GWO can
achieve comparable or superior throughput performance
to conventional benchmark schemes while maintaining
better fairness balance.

In summary, the proposed GWO-based schemes
provide a comprehensive balance between fairness
and SE while demonstrating computational efficiency
and scalability advantages. The additional comparative
insights and interpretation presented here strengthen the
understanding of the proposed method’s value and its
distinction from prior optimization approaches in UC-
CFmMIMO systems.

0.1 A e
0.0 e e

3
Min SE [bit/s/Hz]

Fig. 4. Minimum SE comparison among power control
schemes. The fairness-oriented F1-GWO scheme pro-
vides the highest minimum SE, demonstrating improved
user fairness relative to FPC, FPA, and F2-based GWO.
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Fig. 5. Sum SE comparison among power control
schemes. The F2-GWO scheme achieves throughput
comparable to FPC while the F1-GWO surpasses FPA,
confirming the efficiency of GWO in optimizing both
fairness and throughput.

B. Impact of number of APs and UEs

This section investigates the influence of AP and
UE scaling on system performance in terms of the aver-
age minimum SE and sum SE. The evaluation further
includes the BA for comparative analysis, employing
the same optimization objectives as the proposed GWO
schemes. The additional F1-BA and F2-BA cases pro-
vide a relevant benchmark, as BA has been previously
adopted for centralized uplink power control in UC-
CFmMIMO systems [26].

Figure 6 demonstrates that increasing the number
of APs enhances average minimum SE due to improved
spatial diversity and reduced signal attenuation. At
200 APs, F1-GWO achieves 6.02-bit/s/Hz, higher than
FPA (5.95-bit/s/Hz) and F1-BA (5.84-bit/s/Hz), con-
firming the superior fairness control capability of



GWO. The F2-GWO scheme also attains 5.28-bit/s/Hz,
outperforming FPC (5.18-bit/s/Hz) and F2-BA (5.21-
bit/s/Hz). These results indicate that GWO achieves
better exploitation of distributed resources and faster
convergence toward balanced power allocation com-
pared with BA.

Figure 7 shows that the average sum SE improves
with more APs, benefiting throughput-oriented schemes.
At 200 APs, F2-GWO reaches 157.85-bit/s/Hz,
exceeding both FPC (156.44-bit/s/Hz) and F2-BA
(157.07-bit/s/Hz). Similarly, FI-GWO attains 130.62-
bit/s/Hz, outperforming FPA (119.04-bit/s/Hz) and F1-
BA (124.86-bit/s/Hz). The consistent gain over BA
highlights the adaptability of GWO in complex multi-
dimensional search spaces and its robustness to local
optima.

64— - -FPC =

Average Min SE [bit/s/Hz]

T T T T T
60 80 100 120 140 160 180 200
Number of APs

Fig. 6. Average minimum SE versus number of APs.
Increasing APs enhances spatial diversity and fairness.
F1-GWO achieves the highest SE (6.02-bit/s/Hz at
200 APs), outperforming F1-BA and FPA, highlighting
GWO’s superior resource utilization and convergence.

When the number of UEs increases, inter-user
interference becomes dominant, causing a reduction in
minimum SE for all schemes. Figure 8 shows that F1-
GWO maintains higher minimum SE across all user
densities. For instance, at 30 UEs, F1-GWO records
2.78-bit/s/Hz, compared to 2.53-bit/s/Hz (F1-BA), 2.80-
bit/s/Hz (FPA), and 1.83-bit/s/Hz (FPC). This confirms
that the fairness-oriented F1 formulation stabilizes user
performance even under increased network loading.

In contrast, Fig. 9 reveals that total SE rises
with the number of UEs because more concurrent
uplink transmissions contribute to overall throughput.
F2-GWO shows the highest growth, from 69.42 to
148.32-bit/s/Hz as UEs increase from 10 to 30, outper-
forming both FPC (70.46- to 146.85-bit/s/Hz) and F2-
BA (70.63- to 147.24-bit/s/Hz). Furthermore, F1-GWO
consistently surpasses FPA (51.99- to 115.63-bit/s/Hz
versus 49.91- to 84.12-bit/s/Hz) and F1-BA (46.84- to
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Fig. 7. Average sum SE versus number of APs. Both

GWO-based schemes show steady throughput improve-

ment as APs increase. F2-GWO attains 157.85-bit/s/Hz

at 200 APs, exceeding FPC and F2-BA, confirming

better scalability and optimization robustness.

105.23-bit/s/Hz), proving that fairness-oriented GWO
retains competitive throughput.

Overall, the results confirm that both proposed
schemes, F1-GWO for fairness optimization and F2-
GWO for throughput maximization, achieve superior
trade-offs compared with BA and conventional bench-
marks. The study differs from our prior work by extend-
ing power-control optimization to the UC-CFmMIMO
framework under centralized uplink operation, incor-
porating GWO as an adaptive metaheuristic alterna-
tive to BA, and providing a more detailed scalability
analysis with respect to both AP and UE densities.
These outcomes emphasize the efficiency, robustness,
and generalization capability of the proposed GWO-
based formulations for UC-CFmMIMO uplink systems.

Average Min SE [bit/s/Hz]

Number of Users

Fig. 8. Average minimum SE versus number of UEs.
As UE density rises, inter-user interference reduces
SE for all methods. FI-GWO consistently maintains
higher fairness, outperforming F1-BA and FPC, espe-
cially under heavy network loading.
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Fig. 9. Average sum SE versus number of UEs. Through-
put increases with user density, and F2-GWO exhibits
the steepest growth, outperforming both BA- and FPC-
based counterparts. F1I-GWO also achieves superior
throughput compared with FPA and F1-BA, verifying its
robustness across network scales.

Although the simulations are conducted for sub-
6 GHz UC-CFmMIMO systems, the proposed GWO-
based optimization framework is not limited to a specific
frequency band or communication standard. Its meta-
heuristic structure can accommodate varying system
models by redefining the spectral-efficiency function or
power constraints according to the target standard (e.g.,
mmWave or 6G massive MIMO). Moreover, the algo-
rithmic scalability demonstrated across different AP and
UE densities suggests strong adaptability to heteroge-
neous and evolving network environments. Future work
may extend this analysis to include diverse communica-
tion standards and dynamic user distributions to further
validate the robustness and generalization capability of
the proposed approach.

VI. CONCLUSION

This paper presents a GWO-based uplink power
control framework for UC-CFmMIMO systems,
addressing fairness and throughput optimization through
two formulations: F1-GWO for max-min fairness and
F2-GWO for sum-SE maximization. The proposed
approach achieves rapid and stable convergence, with
F1-GWO reaching approximately 96% of its optimal
normalized fitness and F2-GWO nearly full convergence
(approximately equal to 100%) within 50 iterations. The
average computation time of only a few milliseconds
per optimization cycle highlights its feasibility for
near real-time implementation. Numerical evaluations
demonstrate that F1I-GWO significantly enhances user
fairness, while F2-GWO achieves throughput compara-
ble to full-power transmission, both outperforming BA
and conventional optimization schemes across various
AP and UE densities. These outcomes confirm the
robustness, scalability, and practical potential of the
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GWO framework for centralized UC-CFmMIMO uplink
power control in future intelligent and adaptive wireless
networks.

Despite its efficiency and adaptability, the GWO-
based approach remains a data-agnostic metaheuristic
that relies on iterative search rather than learning from
prior network states. As such, it performs reactive opti-
mization after network changes rather than proactive
adaptation. Additionally, the current analysis focuses on
static user distributions and sub-6 GHz operation, with-
out explicitly modeling long-term temporal correlations
or heterogeneous communication standards.

Future work will extend this study toward learning-
based optimization frameworks that integrate GWO
with machine learning or reinforcement learning. Such
hybrid models could predict user mobility, channel
variations, or traffic dynamics to enable proactive and
context-aware power control. Further research will also
investigate multi-objective formulations, joint uplink-
downlink optimization, and online adaptation across
diverse communication standards (e.g., mmWave and
6G networks), enhancing the generalization capability
of the proposed framework in dynamic and large-scale
wireless environments.
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Abstract — In the practical application of wireless power
transfer (WPT), an offset between the coupling mech-
anisms can lead to an increase in harmful leakage of
magnetic fields around the system and a decrease in the
efficiency of energy transfer. In this paper, we propose
to use the uncertainty quantitative surrogate model to
guide optimal design of the shielding structure in order
to reduce the leakage magnetic field and improve energy
transfer efficiency, taking into account the positional
offsets of the WPT system in use. In this paper, the
uncertainty of the leakage magnetic field and the energy
transfer efficiency of the WPT system is quantified based
on the improved Transformer surrogate model of the
Kolmogorov-Arnold Network, and computational time
cost is reduced by 90.97%. The multi-objective expo-
nential distribution optimizer is combined with a surro-
gate model to obtain the robust optimal structure under
the influence of bias. Finally, it is experimentally verified
that the robust optimal structure is able to maintain both
low leakage magnetic field and high energy transfer
efficiency under the influence of offset. Compared with
the traditional deterministic optimal structure, the mean
of the energy transfer efficiency of the robust optimal
structure is increased by 4.95%, and the probability of
overrun is reduced to 0. Experiments demonstrate that
the robust structure can improve the offset tolerance of
the system more effectively and ensure the electromag-
netic safety of users at the same time.

Index Terms — Exponential distribution optimizer,
robust optimization, transformer, uncertainty quantifica-
tion, wireless power transfer.

I. INTRODUCTION
Electromagnetic safety issues generated during the
operation of wireless power transmission (WPT) are
current research hotspots in the field of WPT. WPT
technology realizes safe and convenient charging, which
is widely used in the fields of medical devices [1],
electric bicycles [2], unmanned aerial vehicles [3], and
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electric vehicles [4—6]. However, the energy transfer
structure of the WPT system is a loosely coupled
form, which inevitably generates leakage electromag-
netic fields (LMF) during operation, thus the energy
transfer efficiency becomes lower. In addition, due to
the effect of offset uncertainty between the coupling
mechanisms of the WPT system in the actual appli-
cation process, the operating state of the system also
has uncertainty [7, 8]. To ensure the safety of WPT
products in use, the International Commission on Non-
Ionizing Radiation Protection (ICNIRP) and the Institute
of Electrical and Electronics Engineers (IEEE) have
developed LMF standard limits for WPT systems to
guide electromagnetic safety assessment [9-11]. Among
them, ICNIRP uses the operating frequency of WPT
systems as the basis for division and establishes limit
values for different frequency bands for guidance. The
WPT system used in this paper operates at a frequency of
85 kHz, with magnetic flux density B in the environment
serving as the evaluation target for the electromagnetic
safety of the WPT system. Therefore, it is necessary to
design a reasonable electromagnetic shielding structure
so as to limit the LMF caused by the uncertainty of the
operating state of the WPT system, in order to improve
the electromagnetic safety and energy transfer efficiency
of the WPT system [12, 13].

Various electromagnetic active and passive shield-
ing measures have been proposed for LMF of WPT sys-
tems. Among them, passive shielding is highly flexible,
secure, adaptable to the environment, and used in a wide
range of scenarios [14, 15]. The use of transmitting or
receiving coils in combination with aluminum plates and
ferrite materials is the most common passive shielding
measure. Fu et al. [16] proposed a new ferrite composite
structure that can effectively control the magnetic flux
and improve efficiency. Covering a large area with ferrite
poses a challenge in designing a compact WPT system
since ferrite is limited by its weight, fragility, and large
variation of magnetic properties with temperature. Li
et al. [17] considered nanocrystalline as an alternative to
ferrite cores because of the superior magnetic properties
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and mechanical properties. Gaona et al. [18] utilized
nanocrystalline cores to design magnetically conductive
structures, achieving higher efficiency and power den-
sity with lower LMF compared to ferrite cores. The
electromagnetic shielding structures in the above studies
are usually designed based on deterministic state opti-
mization. However, since the offset uncertainty between
coupling mechanisms of WPT systems is unavoidable,
the traditional optimization method is not applicable
to cases where there is an offset between coupling
mechanisms, resulting in an incomplete analysis of the
above results. Therefore, the optimization design work
of shielding structures considering the effect of offset
uncertainty between coupling mechanisms of WPT sys-
tems is necessary.

The idea of optimizing the design while considering
the uncertainty factors of the actual operating state of
the system is called robust design optimization (RDO).
The uncertainty quantification method based on agent
model can solve the problems of the many variables
involved in the RDO process and the high optimization
costs. Lagouanelle et al. [19] considered the uncertainty
of WPT systems and evaluated the uncertainty of the
LMF of WPT systems using Kriging and the polyno-
mial chaotic unfolding agent model, which helps in
the design of shielding structures for EV-WPT systems.
However, PCE will be limited by the probability-driven
limitation, and the accuracy of the realized surrogate
model is somewhat insufficient. In recent years, deep
learning-based surrogate modeling methods have been
widely used. Wang et al. [20] proposed a Bayesian
neural network-based uncertainty quantification method
to realize electromagnetic safety assessment of a human
body containing medical implants around WPT systems.
Transformer architecture is widely used in the solution
of various nonlinear problems and is able to achieve
accurate surrogate models using fewer training samples
and training time [21, 22]. However, the above stud-
ies did not incorporate the uncertainty factor into the
robust optimization design. Since the offset between the
coupling mechanisms of WPT systems will lead to an
increase of LMF and decrease of energy transfer effi-
ciency at the same time, this paper considers the effects
of the uncertainty of the offset between the coupling
mechanisms of the WPT system in the optimization
design of the shielding structure of the WPT system,
which can strengthen the offset tolerance of the WPT
system, and it is of great significance to enhance the
stability of the energy transfer efficiency and electro-
magnetic safety. The main contributions of this paper are
as follows.

Firstly, a WPT electromagnetic shielding structure
with the combined effects of ferrite cells, aluminum
plates and nanocrystals are proposed to realize the
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shielding of LMF with high efficiency energy trans-
fer. Further, an uncertainty quantification method based
on the Kolmogorov-Arnold Network (KAN) improved
Transformer (K-Trans) surrogate model is proposed to
realize the quantification of offset uncertainty among
coupled bodies of WPT systems. Finally, combining
the K-Trans surrogate model with the multi-objective
exponential distribution optimizer (MOEDO) optimiza-
tion algorithm for the robust optimization of the elec-
tromagnetic shielding structure of the WPT system.
Experimental results show that the LMF of the WPT
system is significantly reduced under the influence of
offset uncertainty, while the energy transfer efficiency
is significantly improved.

The main contents of this paper are as follows.
Section II describes the working principle of WPT
systems and the mechanism of shielding structures. Sec-
tion III describes the mechanism of implementing the
multi-objective robust optimization algorithm based on
the K-Trans surrogate model combined with MOEDO.
Section IV introduces the combined shielding structure
proposed in this paper and implements the robust opti-
mization of the shielding structure based on K-Trans
combined with MOEDO and compares the shielding
effect of different optimized structures under the influ-
ence of offset uncertainty. Section V describes the exper-
imental part of this paper and verifies the superiority of
the robust optimal structure of this paper by building the
experimental platform of the WPT system. Section VI
summarizes the work in this paper.

II. WPT SYSTEM AND
ELECTROMAGNETIC SHIELDING
A. WPT system

The overall structure of the WPT system is shown
in Fig. 1. The WPT system established in this paper
is realized based on the principle of magnetic coupling
resonance, where a current flows in the coupling coil
and, since the transmitting coil and the receiving coil
have the same resonance frequency, a resonant elec-
tromagnetic field can be generated to realize efficient
wireless transmission of electric energy through the
electromagnetic field. In order to ensure maximum effi-
ciency of the WPT system during normal operation, a
bilateral S-S compensation circuit is used in this paper,
as shown in Fig. 2, where Uy is the excitation source,
Rg1 is the equivalent resistance of Tx, Cg; is the series
compensation capacitor at the 7x end, L; and L, are
the coil self-inductance at the Tx and Rx ends, M is
the coil mutual inductance between Tx and Rx, Cs is
the series compensation capacitor at the Rx end, Rg»
is the equivalent resistance of Rx, and Ry is the load
resistance. To ensure the transmission efficiency of the



WPT system, the S-S compensation circuit should be in
resonance. The circuit parameters at the transmitter and
receiver ends are shown in equations (1) and (2).

1
oL = —— 1
1 (I)C] ) ( )
oL, = 1 2)
2 ) C2 )
where o is the resonant angular frequency, @ = 27f,

and f is the resonant frequency. In this paper, f is chosen
to be 85 kHz for the WPT system, which is the most
likely candidate frequency for the WPT system [22].

B. Electromagnetic shielding

In the WPT system, the coupled electromagnetic
field between the coupling coils is the core of realiz-
ing energy transfer. The shielding structure directs the
electromagnetic field through the nature of the material,
increasing the efficiency of energy transfer and simul-
taneously weakening the electromagnetic field in non-
operating areas. Electrical shielding materials exploit
their high electrical conductivity to induce eddy currents
when exposed to a magnetic field. These eddy currents
generate an opposing magnetic flux that suppresses field
leakage and simultaneously dissipates energy as Joule
heat, thereby attenuating the LMF.

The equation for the eddy current induced electro-
motive force E generated by the alternating electromag-
netic field on the outside of the shielding material is:

JdB
VXE——g 3)

The density of eddy currents generated by the
induced electromotive force is:
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Fig. 1. WPT system schematic.
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Fig. 2. S-S compensation circuit.
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where ¢ represents the electric potential, A is magnetic
vector, 0 is material conductivity, u is relative perme-
ability of the material, € is dielectric constant, and j is
an imaginary unit. The eddy currents generated in the
shielding mechanism can be expressed by the volume
fraction:

I= / (—V¢ — jwA)(o + jwe)dV. ®)
4

From equation (5) it can be seen that eddy currents
are affected by the system operating angular frequency
®, the conductivity ¢ and dielectric constant € of the
shielding material. However, electrical materials also
have drawbacks, such as affecting the magnetic field
state around the receiving coil, and eddy currents gen-
erate heat, which not only increases transmission losses
but also causes safety hazards. Therefore, the current
WPT shielding structure is usually a combination of
electrical and magnetic materials, which reduces energy
loss and improves system efficiency to have better
shielding performance.

The location, shape and size of the shielding mate-
rial can be varied during design to suit the actual applica-
tion. Because magnetic field lines naturally form closed
loops and cannot be directly blocked, we can design
specialized magnetic conduction pathways to keep the
magnetic field primarily circulating within the equip-
ment. This significantly reduces magnetic field leakage
to the outside, achieving effective shielding. There is a
relationship in the magnetic field:

o= 1n (6)

R

where ® is magnetic flux, F;,, is the magnetomotive
force, which is determined by the product of the number
of turns of the coil and the current, and R,, is the
magnetoresistance, which represents the hindering effect
of the magnetic circuit on the magnetic flux. Analysis
of the relationship between the quantities in equation
(6) shows that magnetic flux mainly passes through
the shielding material with low reluctance and high
relative permeability, which reduces magnetic leakage
into the air. In constructing the magnetic field shielding
mechanism, the low magnetoresistance path is shown in
Fig. 3.

In the design of the magnetic shielding mechanism,
in addition to considering the shielding effect, it is also

| S reeee | Magnetic
Receiver coil — e > material
i i E E%Magnetic flux
I

Fig. 3. Magnetic flux path.
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necessary to synthesize the requirements of the use
of the environment to make changes to the shape and
weight of the shielding mechanism. The WPT system in
this paper operates at 85 kHz, mainly utilizing a high
relative permeability shield to shunt the magnetic flux
and improve coupling between the transceiver coils. It
can be seen that magnetic induction intensity inside the
high relative permeability shield is much larger than that
outside, while the magnetic lines of force in the low
relative permeability material are almost perpendicular
to the high relative permeability material. In this way
most of the low-frequency magnetic field energy is
constrained to pass inside the shield, thus providing
shielding.

III. ROBUST OPTIMIZATION BASED ON
K-TRANS SURROGATE MODEL

The core of solving robust optimization problems
is to take offset uncertainty into account in the optimal
design in order to attenuate the effect of offset uncer-
tainty. Existing methods usually require a large number
of samples and are usually handled in a probability-
driven manner, which may lead to an increase in compu-
tational time cost with large errors in the results. Consid-
ering the complexity and high simulation cost of WPT
systems, this paper adopts the K-Trans based method to
realize the embedding of the effect of offset uncertainty
among coupled mechanisms of WPT systems to achieve
robust optimization.

A. K-Trans surrogate model

Transformer is able to react more sensitively to
changes in the dataset due to the remote dependency
of its multi-head self-attention mechanism, providing
better adaptability for regression tasks [23, 24]. The
traditional Transformer has a multi-layer perceptron
(MLP) layer after the self-attention layer. In MLP, the
neuron connections are usually a real value representing
the weights, and the neuron itself is equipped with a non-
linear activation function, usually a sigmoid function.
The computation process of MLP is to first weight the
inputs of the weights weighting and then introducing
nonlinearity through the activation function. KAN is
realized based on the Kolmogorov-Arnold (K-A) rep-
resentation theorem, which shows that any continuous
function f(xj,...x,) can be represented as a nested
combination of finitely many univariate functions:

2n+1

f) =) & <Z éq,p<xp)>, @

where 9, , and 6, are univariate functions. KAN uti-
lizes the K-A representation theorem to represent the
weight parameters as a kind of B-spline. The B-spline
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function connects the two neurons directly and is essen-
tially a segmented polynomial function that achieves a
high degree of smoothing where the polynomial blocks
intersect. The K-A theorem states a high-dimensional
function through equation (7), which can be reduced
to learning one-dimensional functions of polynomial
order. These one-dimensional functions are not always
smooth functions that are easy to learn, and thus high-
dimensional decomposition is achieved by parameteriz-
ing each one-dimensional function as a B-spline func-
tion [24]. In Transformer, by replacing the MLP with
KAN, we can take advantage of the better interpretabil-
ity of KAN to achieve self-learning of the activation
function while moving the activation function to the
“edge”, so as to realize the smooth processing of the
data, which not only learns the features, but also opti-
mizes these learned features with high accuracy, thus
obtaining a smooth function that approximates the data.
This not only ensures the accurate approximation ability
of high-dimensional functions but also decomposes the
multi-dimensional function into a univariate function
combination to simplify computational complexity. The
improved model structure is shown in Fig. 4.

As can be seen from Fig. 4, the K-Trans model
consists of four parts: model input, encoder, decoder and
model output. The model input data x = (x1,x2,...,%,)
integrates the offset uncertainty of the WPT system with
the design parameters of the shielding structure, and the
maximum value of the magnetic field strength B, and
the system transmission efficiency 1 at the four fixed

Softmax
Linear
X

1
Add & Norm !
I

Encoder Decoder |—>
‘L Feed
3 Forward
— Add & Norm Add & Norm a
- Multi-Head
——— Atention
1 Add & Norm Add & Norm
Multi-Head Masked
Attention Multi-Head
Attention
Positional Positional
Encoding Encoding
Input Output
Embedding Embedding

Inputs:

Uncertainties and
design parameters

Outputs:
Efficiency and
magnetic flux density

Fig. 4. K-Trans model.
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observation points around the WPT system are used
as the model outputs to realize the construction of the
surrogate model under the uncertainty scenario.

Through the training of the above model, the LMF
and energy transfer efficiency surrogate model of the
WPT system containing the effect of the offset uncer-
tainty between the coupling mechanisms of the WPT
system is obtained. By calling the surrogate model
through the MC method, the corresponding outputs are
obtained, which are used to assist the optimization.
Based on these samples, simulation can be replaced thus
saving the time cost of the optimization process. The
accuracy of the surrogate model in this paper is verified
by comparing it with the MC method.

B. Optimization design method

Based on the above K-Trans uncertainty surrogate
model, we quantify the effect of uncertainty surro-
gate into the optimization design process, and in the
optimization stage we only consider the optimization
of the design parameters, while the offset uncertainty
is embedded into the optimization process, which is
regarded as the optimization background factor, so as
to achieve robust optimization. To address the above
problems, this paper adopts an intelligent optimiza-
tion algorithm for computation. MOEDO is a heuristic
method [25] that utilizes the theory of exponential distri-
bution combined with the idea of dynamic optimization.
It integrates an information feedback mechanism (IFM)
and transforms a multi-objective task into a single-
objective sub-task, thereby overcoming the local opti-
mum. The pseudo-code of the MOEDO algorithm is
shown in Algorithm 1.

In the embedding operation of offset uncertainty, the
design variables are always the same in both the robust
optimization process and the traditional deterministic
optimization process, the offset uncertainty variables are
only used as stochastic inputs to the model, and the
Pareto frontier searched by MOEDO is always for the
optimization results with the design factors as variables.
The optimization in the deterministic case and the robust
optimization of the WPT system considering the effect
of offset uncertainty can be achieved by the aforemen-
tioned MOEDO optimization method combined with the
K-Trans surrogate model proposed in Appendix A.

IV. OPTIMIZED DESIGN OF SHIELDING
STRUCTURE
A. Structural design
In the design of shielding structure, this paper adds
ultra-thin single-layer nanocrystalline material with high
relative permeability to realize the composite shielding
structure based on the combination of aluminum plate

and ferrite unit. The nanocrystalline material used in
this study exhibits a relative permeability of 22,000
at room temperature and 85 kHz, whereas the ferrite
component shows only 3300 under identical conditions.
In the shielding design, inner peripheral nanocrystalline
strips guide magnetic leakage from the coil center
into coupling paths, while outer strips redirect leak-
age from non-operating regions back to active areas.
Where the ferrite unit is used to compensate for the
nanocrystalline material shielding loophole, and finally
the aluminum plate is utilized for electrical shielding,
and the three materials are placed in layers, as shown
in Fig. 5.

Compared with the traditional shielding structure
covered by a large area of ferrite, the use of nanocrys-
talline to replace part of the ferrite can achieve Com-
pared with the traditional shielding structure covered
by a large area of ferrite, the use of nanocrystalline to

Algorithm 1: MOEDO

Input: population size (N), maximum time (Maxtime),
dimension (d), lower bound (/b) and upper bound (ub).

Output: Optimal solution X S;fltm,m .
1. Initialize population of N solutions:

Xinners (@), 1=L2,..,N.

2. Define Fitness vector to store the fitness of all solutions.
3. Construct the memoryless matrix such that
memoryless=X,ipmers o

4. while (time<Maxtime)

5. Define J matrix of size 5. Rank the solutions in X,;,,eys.
best1 best2 best3
Calculate Xtime _ Xwinnen\' + Xwimwn\' + Xwinner.\' .
6. guide — 3
Define the EDO adaptive parameters a,b,c,d and f.

7. | fori=l:N

8. if (0<0.5)
Generate &, update V;ﬁmﬁl ,according to ¢ to
selection formula

9. et = g (memoryless!™ —o*)+b- X e
or
Ve = b- (memoryless™ - *) +log(g)- X" -
else:

10. time+1 time time
v =X imers — M +(cZ, +(1-¢)Z,).

11. end

12. | end for

13 Copy V'to memoryless. Define new fitness vector to

" | store the fitness.
14. | Find the bestfitness. Updating the Fitness;.

15. end while

. . best .
16. time=time+1. Return Xw,-nnm solution,
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replace part of the ferrite can achieve the effect of reduc-
ing the overall weight of the WPT system, saving the
space occupied by the shielding structure and improving
the robustness of the overall structure. However, since
the ferrite compensation unit in this paper is not symmet-
rically placed, the magnetic field distribution around the
system is not symmetrical. In addition, the offset uncer-
tainty between the coupling mechanisms also affects
the overall shielding effect. Therefore, it is necessary to
design the most suitable combination of shielding mate-
rials and placement form to ensure the best performance
of the whole WPT system under the influence of offset
uncertainty.

The WPT system in this paper consists of a trans-
mitting coil Tx, a receiving coil Rx, two end-to-end
shields and a converter circuit. The dimensions of both
Tx and Rx are 200 x 200 cm, and the cross-sectional
area of the coils is 1.3 x 107> mm?. Both coils are
composed of 15 turns coil, and the coil wires are made
of metallic copper wrapped with an insulating layer
on the outside. When Tx and Rx are aligned and the
spacing between the coils is 5 cm, the system operates
under ideal conditions, and the system input power of
the WPT is 300 W with an operating frequency of
85 kHz. the distribution of the magnetic flux density
B around the WPT before and after the addition of
the shielding structure is shown in Fig. 6. Group 1
represents no shielding, Group 2 represents aluminum
plate and ferrite combination shielding, and Group 3
represents aluminum plate, ferrite and nanocrystalline
combination shielding before optimization. As shown
in Fig. 6, during normal operation of the WPT system,
the magnetic field distribution in the cross-sectional
plane exhibits an outward dispersion pattern, with higher
magnetic flux density concentrated at the coil center.
After implementing the shielding structure, the magnetic
field is effectively confined to the operating region,
while the leakage fields on the upper and lower surfaces
of the WPT system are significantly attenuated, thereby
enhancing operational safety.

-

7 ,
N

TN

- ~Nanocrystalline

Fig. 5. WPT system combined shield structure.
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The shielding structure design parameters and off-
set uncertainty tolerance range of the model in this
paper are shown in Tables 1 and 2. Among them,
the aluminum plate and the ferrite unit play a role
in compensating the nanocrystalline shielding layer, so
the material parameters and placement of the two are
crucial. Therefore, the thickness of the ferrite unit #1,
the distance of the ferrite unit from the center of the
WPT system d, the relative angle o of the upper and
lower ferrite layers, and the thickness of the aluminum
plate #, are taken as the optimization variables in this
paper, so as to achieve the best matching effect with the
nanocrystalline shielding layer. Since the offset between
the coils of the WPT system is equiprobable in all
directions, it is usually regarded as a uniform distribution
in engineering applications, and U denotes a uniform
distribution.

Currently, the most widely used electromagnetic
exposure standard for WPT systems is the ICNIRP 2010
guideline, which divides different limit values for differ-
ent WPT frequency ranges. The ICNIRP 2010 clearly
states that, in order to ensure that the human body is
not subjected to neurostimulation, in the frequency range
of 3 kHz—10 MHz, the limit of the public’s exposure
to the time-varying magnetic field is 27 uT. The WPT
system developed in this study operates at 85 kHz,
with electromagnetic exposure compliance based on the
ICNIRP 2010 occupational reference level of 27 uT for
magnetic flux density. Since the magnetic flux density
is higher at the vertical center located between the
coils, this paper establishes four fixed observation points
V1,V2,V3, and Vj in four directions in the middle of
the vertical direction between the coupling mechanism,
20 cm from the center of the coils, for evaluating the
shielding effect, as shown in Fig. 7.

Fig. 6. Magnetic flux density distribution. (a) Group 1,
(b) Group 2, (c) Group 3.

Table 1: Design variables and distribution parameters

Design Variables | Distribution Parameters | Unit
1 U [0,0.04] m
d U [0.002,0.004] m
) U [0.001,0.003] m
o U [0,72] °




Table 2: Uncertainty factors and distribution parameters

Uncertainty Distribution
Factors Parameters Unit
Horizontal offset AX | U [-0.05,0.05] m
Vertical offset AY U [-0.05,0.05] m
Coil distance AZ U [0.04,0.06] m

B. Shielding performance

The magnetic field strength distribution and the
energy transfer efficiency 1 of the WPT system at the
four observation points with and without the shielding
mechanism are shown in Fig. 8 and Table 3. Before and
after adding Group 2 shielding to the WPT system in
this paper, the maximum reduction of the B value at the
four observation points reaches 85.19% but, at the same
time, the system efficiency decreases by 7.2%, which
is due to the fact that after adding the shielding layer,
although the ambient leakage magnetic field becomes
less, a part of the electrical energy is converted into
thermal energy due to the eddy current effect of the
aluminum plate, thus leading to a reduction of efficiency.
The maximum value of the magnetic field strength at the
four observation points is noted as Bj,4x, Which will be

1 V}
Vs | Vs
———— e = - -
! 20cm
2
V. — — V-
4 V- Vs 2

100

el
>

93.81%

O
(=]
Efficiency (%)

%0
v
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Fig. 8. Observation point indicators.
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used as an indicator of the shielding effect of B,,,,, in this
paper because the shielding structure is asymmetric.

After adding the nanocrystalline shielding layer,
compared with the form of Group 2 combination,
the energy transfer efficiency of the WPT system is
improved by 8.58% while By, is reduced by 30.05%,
which shows that the nanocrystalline material is able to
improve the degree of system coupling due to its high
relative permeability, resulting in the efficiency of the
WPT system being elevated. In the optimization process
of shielding structure design, what we need to find is
the optimal thickness of the aluminum plate and ferrite
unit as well as the optimal placement of the ferrite
compensation unit, so as to achieve the optimal way of
combining with nanocrystalline.

Considering the practical applications of the WPT
system, according to the uncertainty factors and their
distributions in Table 3, a random sampling method is
used to sample and calculate the probability distribution
function (PDF) of the energy efficiency of the original
system and the maximum value of the magnetic field
strength By, at a fixed observation point. In order to
validate the Transformer surrogate model before and
after the improvement, the results are compared with
the pre-improvement Transformer and MC calculations.
Considering the cost of simulation computation, the MC
method with 10,000 simulations can provide enough
accuracy to meet the needs of most engineering prob-
lems. Comparison results are shown in Fig. 9. As can
be seen from Fig. 9, the computational results of the
K-Trans are basically consistent with those of the MC,
and the computational accuracy is slightly improved
over the MC and the Transformer. Under the presence
of uncertainty, the mean value of the WPT system
efficiency predicted by the surrogate model is 78.83%,
and the mean value of the magnetic field strength B,
is 22.64 uT. As shown in Fig. 9 (a), the original structure
of the WPT is subject to the possibility of transgressing
the limit under the influence of the offset uncertainty,
with a probability of 27.34%, and therefore the shielding
structure needs to be optimized so as to reduce the
transgressing probability.

Table 3: Observation point value

Group 1 | Group 2 | Group 3
Vi/uT 54.42 8.06 12.17
Vo/uT 56.26 12.53 12.68
V3/uT 58.27 18.07 12.64
Va/uT 54.39 11.02 12.61

Table 4: Calculation time
MC Transformer
22833 2290

K-Tran
2062

Time/min
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In addition, in terms of computation time, the time
required to calculate the WPT system operation for a
single scenario using the multi-physics field simulation
software is 2 minutes and 17 seconds, and the computa-
tion time for the three methods in this paper for a single
structure is shown in Table 4. It shows that under the
condition of calculating the same WPT system structure,
the calculation cost of 10,000 times MC method is very
high, while the calculation time cost of K-Trans saves
90.97% compared to the MC method. Thus, the K-
Trans method can ensure the realization of improved
computational efficiency while guaranteeing accurate
calculation results.

In the optimization process, determining the opti-
mum does not consider other factors and is calculated
directly through optimization. While robust optimiza-
tion needs to consider the offset uncertainty among the
coupled mechanisms of the WPT system, in this paper,
the uncertainty effect is embedded into the optimization
as a data background to realize robust optimization. For
the WPT system, the B,,,, of the observation point is
optimal while the system works efficiently. The design
variables corresponding to the target points in the Parato
solution set are shown in Table 5.

PDF
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Fig. 10. Comparison of PDF of deterministic optimum
and robust optimum (a) By,.x and (b) 1.

Table 5: Optimal design variables

ti/m d/m tr/m o/m
Deterministic 0.003 | 0.032 | 0.0019 7
optimum
Robust 0.004 | 0.025 | 0.0028 | 35
optimum
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Table 6: Statistical parameter

Original | Deterministic | Robust
Structure | Optimum | Optimum
Meanof n/% | 78.83 80.73 86.60
Mean of 22.64 20.63 13.42
Bmax/ I»LT
Transgression| 27.34 19.09 0
probability
Pl!%

In order to verify the improvement effect of the
energy transfer efficiency and shielding performance of
the WPT system under the influence of offset uncer-
tainty, according to the parameter settings in Table 2
and the optimized parameters in Table 5, the probability
distribution curves of 1 and By, are calculated using
the agent model and compared with the pre-optimization
PDF, as shown in Fig. 10 and Table 6.

Results demonstrate that the robustly optimized
system achieves a mean efficiency of 86.60% with
an associated magnetic field strength of 13.42 uT. In
contrast, the deterministically optimized structure shows
significantly degraded performance, with mean effi-
ciency dropping to 80.73% and magnetic field strength
increasing to 20.63 uT. In addition, analyzing from the
perspective of the transgressing probability, the trans-
gressing probability of the deterministically optimal
structure reaches 19.09%, whereas the robustly opti-
mized structure demonstrates an overshoot probability
of 0. The transgression probability of magnetic leakage
of the WPT system is reduced to O, and there is no
possibility of transgression, which ensures the safety
of electromagnetic exposure of the users. Therefore,
the robust-optimized WPT system’s offset resistance is
improved, and the RDO method assisted by the K-
Trans surrogate model can effectively cut down the
negative impact caused by the offset uncertainty of the
WPT system, and improve the stability of the system’s
electromagnetic shielding, transmission efficiency and
safety of the users.

V. EXPERIMENTAL RESULTS

In order to validate the RDO method proposed in
this paper, a 300 W, 85 kHz system is constructed to
verify the effectiveness of the proposed method, and
the system is shown in Figs. 11 and 12. The system
consists of a coil, converter circuit, shield and resistive
load. In this paper, the coil spacing adjustment is realized
using acrylic pads that do not have any effect on the
electromagnetic field. In the experiment, the measure-
ment device of magnetic field strength is based on the
ELT-400 series probes used for safety assessment of
human exposure to magnetic fields under the German
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company Narda, which meets the measurement stan-
dards of ICNIRP 2010.

From the simulation results in section IV, it can be
seen that the shielding effect of deterministic optimal
structure in the deterministic case is superior to that of
the robust optimal value, which is verified in the follow-
ing based on the experimental build. In the process of
verifying the effect of robust optimal shielding structure,
in this experiment, the step of the three uncertainty
factors AZ, AX and AY are all set to 1 cm, the numerical
planes of AZ with different coil spacing are used as a
differentiation, and the data of AX — AY corresponding
to the efficiency and the magnetic field strength under
the case of AZ with different coil spacing are obtained
to chart the four-dimensional response surface plots to
verify the two kinds of structures under the influence
of the uncertainty factors’ shielding performance. From
the distribution parameters of the uncertainty factors
in Table 2, it can be seen that there are 363 possible
combinations of the three uncertainty factors for each
shielding structure in the experimental process at a step
of 1 cm, and the response surface plots are realized at
the resulting 363 points.

As shown in Figs. 13 and 14, the 3D response
surface plots reveal significant differences between the
robustly optimized structure and deterministic structure
under asymmetric shielding conditions. The three
coordinate axes represent positional offsets, with dual
color scales indicating maximum magnetic flux density
Buax and transfer efficiency 7). Key findings include: at
AZ = 4 cm, the system achieves optimal performance
balance, with the robust structure demonstrating 86.6%
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efficiency (4.95% improvement over deterministic
design) and 13.4 uT By (5.17 uT reduction).
This enhancement stems from adaptive coupling
spacing adjustment in the robust framework, which
simultaneously improves magnetic coupling efficiency
through reduced coil separation and confines magnetic
fields within operational zones. Under misalignment
conditions, the robust design reduces By, leakage by
34% while lowering exceedance probability from 12.3%
to 0%, fully complying with ICNIRP 2010 27 uT safety
limit. Statistical data in Table 7 confirm that, under
various uncertainty factors, the robust optimization
framework not only improves average efficiency by
4.95% but also ensures zero magnetic exceedance,
providing an effective solution for handling positional
offsets in practical deployments.

Experimental validation confirms that the robustly
optimized structure significantly enhances both the
offset resistance and shielding performance of the WPT
system. Leveraging the K-Trans surrogate model, our
methodology quantifies positional uncertainty impacts
by constructing shielding performance surrogate models
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Fig. 13. Response surface plot B, (a) deterministic
optimum and (b) robust optimum.
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Table 7: Statistical parameter

Deterministic | Robust
Optimum Optimum
Mean of /% 79.84 84.79
Mean of B, /uT 23.22 18.05
Transgression 27.55 0
probability P/%
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and deriving statistical parameters, while simultaneously
enabling multi-objective robust optimization through
MOEDO to improve shielding effectiveness and
positional tolerance.

Comparative analysis reveals that, under posi-
tional uncertainty conditions, the K-Trans framework
accurately captures shielding behavior patterns, and
MOEDO achieves Pareto-optimal designs with 15.7%
higher shielding efficiency and 42.3% greater positional
tolerance compared to deterministic methods.

VI. CONCLUSION

The objective of this paper is to design highly
offset-tolerant WPT shielding structures to counteract
the negative effects of the offset uncertainty existing
between the coupled mechanisms of the system and
to improve the electromagnetic safety of the system.
This paper proposes a robust optimization method
based on the combination of K-Trans surrogate model
and MOEDO. Its computational accuracy is basically
the same as that of the MC method, and it notice-
ably saves the computational cost. From experimental
results, K-Trans computational time cost is reduced by
90.97% compared with the MC method. The mean value
of system efficiency with robust optimal structure is
improved by 4.95% compared with the deterministic
optimal structure, which effectively improves energy
transfer efficiency. Mean of B, is reduced by 5.17 uT,
and the probability of system overrun is reduced to
0, which effectively protects the user’s electromagnetic
exposure safety. Therefore, the scheme proposed in this
paper can provide an efficient and feasible solution
for an optimized design of the shielding structure of
WPT systems. Considering that the variables involved
in practical applications are more complex, in future
research we will look for more suitable methods for
high-dimensional calculations to improve the safety and
stability of WPT systems.
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Abstract - In this paper we propose a miniaturized large-
angle beam scanning phased array antenna using liquid
crystal. We innovatively combine the liquid crystal elec-
trically tunable structure with the wide-beam antenna
element structure and design an integrated multi-layer
antenna structure which realizes large-angle beam scan-
ning within the working bandwidth. The problems of
low beam control accuracy and narrow scanning angle of
traditional array antenna are effectively addressed. The
overall dimensions of the prototype are 74 x 60 x4 mm.
Based on the test results of the prototype the gain has
reached 20.2 dBi at 27 GHz and the scanning angle was
greater than £60°.

Index Terms — Large-angle beam scanning, liquid
crystal, miniaturization, phased array antenna.

I. INTRODUCTION

In recent years, antennas in wireless communication
systems are required to meet the requirements of many
high performances, such as high gain pattern, wide-
beam scanning angle and wide bandwidth. A phased
array antenna has the functions of beam scanning, beam
control, and anti-interference. As a representative of
high-performance antenna, phased array antenna have
been widely studied, and play an important role in vehi-
cle radar, satellite radar, 5G mobile terminal and other
fields. As a key device of phased array, the phase shifter
makes the beam superposition in a specific direction
by changing the feed phase of the radiation element to
achieve the function of beam forming. The traditional

Submitted On: July 04, 2024
Accepted On: July 24, 2025

phase shifter unit usually adopts PIN diode-based phase
shifters [1-6], varactor diode-based phase shifters [7,
8], digital phase shifters [9, 10], ferrite-based phase
shifters [11] and other methods [12-15] to achieve phase
shift, among which PIN diode and varactor-diode based
phase shifters have high insertion loss and can only
achieve step phase shift. Although a digital phase shifter
has higher phase shift accuracy, the cost and volume
increase exponentially with the increase of phase shift
accuracy, which is not conducive to large-scale array
and miniaturization. As a tunable material, ferrite can
realize continuous phase shift, but its high insertion loss
limits its application in high frequency. Therefore, how
to design a continuously tunable phase shifter and the
associated matching antenna system is vital to develop a
new generation of phased array antennas.

Liquid crystal, as a new passive tunable material,
exhibits obvious polarity under electric field, so it has
the ability to continuously tune permittivity under bias
voltage. The thermal expansion coefficient of liquid
crystals is usually between 1073/K and 10~%/K. This
numerical range indicates that the size change of liquid
crystal materials is relatively small when the temperature
changes. This dimensional stability makes liquid crys-
tals an ideal material for manufacturing high-precision
optical instruments and high-precision antennas. Liquid
crystal molecules have an ordered arrangement struc-
ture, which makes liquid crystals exhibit anisotropy in
physical properties. Compared to some lumped phase-
shifting devices, liquid crystal devices have no parasitic
effects in higher frequency bands and have smaller
losses. This feature enables liquid crystal antennas to

https://doi.org/10.13052/2025.ACES.J.401106
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maintain high efficiency and less energy loss when
transmitting signals.

This study demonstrates a liquid crystal based
phased array antenna with significant innovations in both
architecture and performance. We propose a novel inte-
grated structure combining a wide-beam dipole radiator
array, a high-isolation feed network, liquid crystal-based
phase shifting, and a dedicated liquid crystal bias control
circuit achieving unprecedented miniaturization while
overcoming traditional scan limitations. Experimental
validation confirms breakthrough beam-scanning capa-
bilities: continuous 1D scanning over 120° with a peak
gain of 20.2 dBi.

II. STRUCTURE OF DESIGNED ANTENNA
A. Liquid crystal phased shifter design

In this paper we use a slow wave transmission
line as the phase-shifting structure, which is suspended
upside down under the first layer substrate, and whose
lower surface is in contact with the liquid crystal. The
second layer substrate adopts a slot design to contain
the liquid crystal, and the third layer substrate is used
to print the metal ground and form a bias electrode with
the transmission line. By changing the paranoid voltage
applied to the metal ground, the dielectric constant of the
liquid crystal is controlled, then the transmission coeffi-
cient of the electromagnetic wave on the transmission
line can be changed, and thus the phase shift can be
controlled.

Metallic ground
structure

Copper column
Upper medium

Transmission line
phase shifter

Liquid crystal

Underlying medium

Biased ground
structure

Fig. 1. Diagram of liquid crystal phase shifter.

To ensure that the primary working mode of elec-
tromagnetic waves passing through the phase shifter
remains a quasi-TEM (Transverse Electromagnetic,
where both electric and magnetic fields are transverse
to the direction of wave propagation) wave and to
maximize energy transfer to the output end, the liquid
crystal tank is designed in two sections. A row of
metal copper columns is placed in the middle, replacing
the traditional metal electric wall, to optimize energy
confinement within the transmission line. The diameter
of the metal copper column is 0.2 mm and the spacing

ACES JOURNAL, Vol. 40, No. 11, November 2025

is 0.3 mm, which can effectively reduce return loss
and transmission loss. The structure diagram of the
designed phase shifter is shown in Fig. 1. The simulation
results of the phase shifter base on liquid crystal material
are shown in Fig. 2, from which we can see that the
maximum phase shift is 410° by changing the dielectric
constant of the liquid crystal and the insertion loss of the
phase shifter is kept within 3 dB, in bandwidth of 26—
28 GHz.
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Fig. 2. Simulation results of the designed phase shifter:
(a) relationship between phase and dielectric constant
and (b) S parameter of the phase shifter.

B. Power division network design

To ensure the miniaturization of the power division
phase-shifting network while further improving port
isolation, we propose a novel network structure. In
this design, the power dividers are distributed across
different layers, effectively reducing coupling between
the transmission lines.

As shown in Fig. 3 (a), a multistage combined
Wilkinson power divider is used to realize the cascade
of phase shifters after equal phase power divider. The
structure of the power divider adopts a copper col-
umn to reduce electromagnetic interference and leakage



——%,\'—)Supersubstrate

Phase shifter

Isolating copper
column
Liquid crystal

Subsubstrate

—> 1x2 power divider

Output port

Cascade coaxial

1x4power divider

> Input port

(b)

Fig. 3. Structure of designed power divide: (a) cascade
of phase shifters and power divider and (b) structure of
post-phase shifter power division network.

between adjacent lines and improve port isolation. The
design of the post-phase shift power division network is
shown in Fig. 3 (b). The multi-layer hierarchical power
division structure is adopted to reduce the horizontal size
to achieve miniaturization. The output end of the phase
shifter is cascaded with the upper power divider through
eight metallization holes to distribute the power of the
post-phase shift signal.

C. Radiation patch design

In this work, we used a binary magnetoelectric
dipole antenna to broaden the beam, as shown in Fig. 4.
The traditional dipole antenna is divided into a driver
patch and a parasitic patch, allowing for more flexi-
ble control of the current loop direction and enabling
miniaturization of the patch. By increasing the diversity
of the direction of the magnetic current, the structure
can broaden the beam width by more abundant field
distribution around the radiating element. The designed
patch antenna demonstrates favorable performance, as
shown in Fig. 5. It achieves excellent impedance match-
ing at 27 GHz with a reflection coefficient of —18 dB
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and delivers a peak gain of approximately 5 dBi at
the boresight direction, verifying its effective directional
radiation characteristic.

Parasitic patch

Dielectric substrate

Drive patch

Short-circuited
copper column

Fig. 4. Structure of designed radiation patch.
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Fig. 5. Simulation result of designed antenna patch:
(a) S parameter of antenna patch and (b) gain of antenna
patch.

D. Array integration design

The phased array adopts an 8x8 uniform array
model structure. A schematic diagram of the array
structure is shown in Fig. 6. The array consists of
antenna layer, power layer and phase shift power divi-
sion network layer, and each layer is connected through
metallized holes. In addition, in order to further reduce
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Radiation patch layer
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>
/ divider layer

5 Feeding point
-
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Bias load metal
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Fig. 6. Structure of array antenna multi-layer integration
diagram.

the coupling between the antennas and improve the
overall gain, the copper column structure is used as the
electric wall between the units to inhibit electromagnetic
leakage. By means of simulations, we found that optimal
spacing between adjacent array elements is 5.55 mm,
and optimal spacing of the decoupled copper columns
is 0.3 mm.

Figure 7 shows that the maximum gain of the
proposed array antenna is 21.8 dBi, the array realizes
H-plane scanning by adjusting the dielectric constant of
the liquid crystal to change the feed phase in the working
band of each column antenna unit, and the maximum

Gain(dB)
RO

[—— (Broadside.theta=0°)

—— (phi=0°theta=30°) ——(phi=180°,theta=30°)
—— (phi=0°,theta=45°) (phi=180°, theta=45°)
——— (Phi=0°,theta=60°) —— (phi=180°,theta=60°)

Fig. 7. Simulation results of radiation patterns under
different dielectric constants at the operating frequency.
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deflection angle can reach +£60°. Due to the structural
design of phase shifter and power splitter, only the phase
of each column is controlled, and the array can only
realize one-dimensional beam scanning.

III. FABRICATION AND MEASUREMENT
Based on the previous design, the designed princi-
ple prototype and antenna test environment are shown
in Fig. 8. The overall size of the prototype is 74 x60x4

(d)
Fig. 8. Antenna array under measurement: (a) prototype
of designed antenna, (b) profile structure of the proto-
type, (c) measurement in the anechoic chamber and (d)
test environment and test equipment.
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Table 1: Key parameters of the designed array antenna (mm)

Lc.W | Le L | Ph_L | PhodL | At L | At W | G h

10.6 5.2 5.6 1.2 3.1 2.8 0.21 | 0.508
Table 2: Comparison with other phased array antenna
Ref. Tuning Element Peak Range Size of Operating Bandwidth

Material Number | Gain (dBi) Antenna (mm?®) | Frequency (GHZ) (%)

[1] PIN 1x4 9.3 +58 35x65%x1.524 2.85 26
[11] LM 1x4 8.3 +38° 57.2x14x8 10 12
[2] PIN 24x2 13.8 +60° | 250x50x1.881 14.8 6.7
[8] Varactor-diode 4x4 8.1 +25° | 70x70x1.524 12 10
[9] CMOS 1x4 17.6 +32° - 16.5 16.4
[12] LC 1x4 6.7 +23° 35x50x2.5 35 5.1
This Work LC 8x8 20.2 +60° 74x60x4 27 7.4
mm, and a stepped laminated design is adopted to 4

meet the requirements of wiring and perforation process.
The array is independently tuned by eight columns
of liquid crystal phase shifters. The phase shifters are
filled with VMLC-2101 liquid crystal with a thickness
of 0.254 mm. The relevant parameters are €., = 2.28,
& =2.28,tand, = 0.009 and rand,| = 0.009 at normal
temperature.

The key dimensional parameters of the designed
array antenna, corresponding to the labels in the struc-
tural diagrams, are summarized in Table 1. Different
bias voltage groups are applied to the antenna, and the
radiation signal of the standard antenna at the far field
end is received and processed by using the antenna to
be tested. Results of the far-field pattern parameters are
obtained and saved, and the test results are shown in
Fig. 9. The maximum gain of the antenna to be tested is
20.2 dBi. Attenuation is 1.23 dB at 30°, 2.64 dB at —30°,
4.48 dB at 60° and 4.63 dB at —60°. A comparison of
phased arrays fabricated by different methods is shown
in Table 2.

Compared with the simulations, the test results of
the prototype are asymmetrical and the gain of the beams
are degraded to a certain extent. There are four main
reasons to explain the discrepancy between the simula-
tions and the tests. First, the antenna array is designed
with a non-strictly symmetric structure, and the scanning
beam is not strictly symmetrical due to the influence of
the boundary conditions of the antenna unit during the
scanning of E-plane beam. The second reason is that
the liquid crystal molecular direction is affected by the
time of applying bias voltage and the initial state, so it
is difficult to achieve quantitative unification, and there
are bubbles in the perfusion process leading to errors in
the change of dielectric constant. The third reason is that
the liquid crystal layer is too thin, resulting in uneven
liquid crystal contact. By thickening the liquid crystal

phi=180° phi=0°

5 60° ¢ 60°

-30 4 90° 90°=>

Gain(dB)

5 120° 120°

180°

(Broadside,theta=0°)
= (phi=0°,theta=30°)
— (phi=0°,theta=45°)
(phi=0°,theta=60°)

(phi=180°,theta=30°)
(phi=180°,theta=45°)
(phi=180°,theta=60°)

Fig. 9. Test results of radiation patterns under different
dielectric constants at the operating frequency.

layer and re-matching the impedance, this effect can
be reduced. The fourth reason is that, due to the high-
frequency band and small size, even slight deviations in
the processed metal via holes and PCB lamination can
cause impedance variations, leading to losses.

IV. CONCLUSION

In this paper, we present a design method for a
large-angle beam scanning antenna based on liquid crys-
tal. The antenna achieves single-frequency beam scan-
ning. An innovative design structure of liquid crystal
antenna is proposed to enable wide-angle beam control.
The test results show that the antenna can achieve £60°
beam scanning at 27 GHz and gain is higher than
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20 dBi, which verifies that the design of the antenna
meets the requirements for large-angle beam scanning
and supports the theory of liquid crystal reconfiguration.
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Abstract — A dual-band circularly polarized antenna
with AR (Axial Ratio) bandwidth enhanced using para-
sitic strips and triangle notches is proposed in this paper.
The proposed antenna comes with a size of 53 x 53 x
3.813 mm (0.64A, x 0.64A, x 0.0464, at 2.45 GHz),
which is composed of two layers of substrate and three
layers of metallic patterns. With the introduction of par-
asitic strips on the top metallic layer and etched triangles
on the ground plane, this antenna exhibits dual-band
circularly polarized character. A flexible frequency ratio
from 1.57 to 2.01 could be obtained by changing the
size of the triangle notches. Simulations and measure-
ments verified that the proposed antenna shows relative
S11<-10 dB bandwidth of 36.6% (2.23-3.25 GHz) and
51.3% (3.58-6.05 GHz), relative AR<3 dB bandwidth
of 17.6% (2.32-2.77 GHz) and 11.1% (4.65-5.30 GHz),
peak gains of 4.45 dBic and 6.24 dBic, respectively. This
antenna is a good candidate for the 2.45 GHz communi-
cation band and the 5G sub-6 NR band applications.

Index Terms - Circular polarization, dual-band,
microstrip antenna, parasitic patch, ultra-wideband.

I. INTRODUCTION

The rapid development of 5G networks has brought
many opportunities, driving the advent of new applica-
tions in areas such as the Internet of Things (IoT) [1].
Given the proliferation of diverse communication stan-
dards, contemporary wireless devices require multiband
antenna operation to ensure functional compatibility.
Consequently, antennas must support multiple frequency
bands while maintaining a low-profile, planar form fac-
tor to facilitate seamless integration into compact and
geometrically constrained platforms.

There are various approaches proposed in the realm
of dual-band circularly polarized antenna design. One

Submitted On: August 12, 2025
Accepted On: November 03, 2025

such approach integrates two radiating structures on a
substrate, each with distinct operating frequencies. This
configuration can be utilized for array antenna [2—4],
stack of patches [5-8], or a combination of electric and
magnetic dipoles [9, 10]. The second approach uses
the integration of dual-band antennas with polarization-
converting surfaces, such as the polarization rotation
AMC (Artificial Magnetic Conductor) [11] and the dual-
linear-to-circular polarization converters [12]. These
designs in general necessitate the use of additional
substrates to facilitate specific polarization transitions
or rotating structures, which also result in high-profile
and structural complexity. To deal with these limitations,
researchers are focusing on the study of the incorpo-
ration of slots into the radiating patch [13, 14]. This
method renders the antenna structure uncomplicated,
while maintaining the antenna’s dimensions, and enables
the antenna’s operational frequency band to be flexi-
bly adjustable. However, a common issue is that the
circularly polarized bandwidth is relatively narrow. A
thorough analysis of circular polarization reveals that the
primary factor contributing to the constricted circularly
polarized bandwidth is the substantial Q value [14, 15]
introduced by the narrow slots. Several approaches were
employed to obtain reduced Q value, such as widening
the width of slots [14, 16, 17] and employing parasitic
patches [15, 16, 18, 19]. However, from the aspect of
equivalent circuits, either of these methods could widen
the AR (Axial Ratio) bandwidth at one frequency but
may not be applicable for two or more bands. Therefore,
it is still a challenge to obtain wide AR bandwidth at
multiple bands.

In this paper, we propose a low-profile miniaturized
dual-band circularly polarized antenna with wideband
AR in both operational bands. At the lower frequency
band, the AR bandwidth is widened using parasitic
strips, while at the higher frequency band, the AR

https://doi.org/10.13052/2025.ACES.J.401107
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bandwidth is widened by triangle notches etched on the
ground plane. As a consequence, both AR bands are
individually adjustable. Moreover, the proposed antenna
achieved FFR (Flexible Frequency Ratio) from 1.57
to 2.01 by changing the size of the notched trian-
gles. Simulations and measurements were operated, and
comparisons to some recent researchers identified the
advancement of the proposed antenna.

II. ANTENNA DESIGN AND PARAMETRIC
STUDIES

A. Antenna element configuration

The geometry of the designed dual-band circularly
polarized antenna is shown in Fig. 1. It is composed
of two layers of substrates with plane size of 53x53
mm?. The first substrate height is 3 mm and its relative
permittivity is €r = 2.2. The radiation patch is printed on
the top side of the substrate, and the ground plane is on
the other side. The second substrate height is 0.813 mm
with &r = 4.4. An L-shaped feedline is printed on its
bottom side. Detailed geometrical parameters are listed
in Table 1.

Table 1: Parameters of the proposed antenna (unit: mm)

D L w 1 2 3 | 4
531 10 2 14 7 8 | 28
5 | wi w2 w3 | wd | w5 | Ib
15 | 4.5 5.5 1.5 6 |75 32
Is | hi h2 gl | g2 a b
28| 3 08130304 12 | 4

B. Design procedure

To generate circularly polarized waves, it is essen-
tial to produce two orthogonal currents with 90 degrees
phase difference. Therefore, we first designed an octag-
onal patch as displayed in Fig. 2 (a), and the ground
plane is as displayed in Fig. 2 (d). This patch is fed
by an L-shaped microstrip. Such a structure exhibits the
potential of generating circularly polarized waves, but
the bandwidth is limited.

The frequency resonance condition can be
expressed as [20]

1
27vVLC

Therefore, resonance frequency modulation can be
achieved by introducing additional capacitive or induc-
tive components into the circuit system. The induc-
tance value is predominantly governed by the thickness
of the substrate (k) in planar circuit implementations.
Concurrently, the equivalent capacitance (C,) exhibits
dual dependency on both the geometric configuration of

fo=

D
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=20 (0.813 mm
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L-shaped Feeding-line Ground Plane

(b)

Patch and Parasitic Strips

SN
I}
®

Fig. 1. Antenna structure. (a) 3D view, (b) side view,
(c) top view, (d) ground plane, (e) bottom view, (f)
equivalent circuit.

patch elements and the inter-element gap (g). Therefore,
in this paper, the addition of parasitic strips near the cen-
ter patches results in the formation of a capacitance at the
gap between the center patch and the parasitic strips, due
to the accumulation of moving electrons. Consequently,
edge capacitors C1,C, and C3 were introduced at the gap
to facilitate the desired electrical effects. Additionally,
the center patches and ground plane inherently exhibit
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inductive characteristics. Therefore, the resonant fre-
quency can be expressed as [21-25]

1
2n/(Lg +La)(C1 +Co+C5 +Ca)
1

= e, 2)
27[ (Lg +Ld)Ctotal

in equation (2), C, Ly, and L, can be approximated as
follows:

C =y = FoV(EHT) (L+W1 +2gz>
\/Qﬂ' E3)

Jo

2g>

Lep(e+1 L 2
Cy=Cy= %cosh_l (M> N

2¢2
Ly = lih, (&)
Lg:zf)otan<w' uoso(sé\—I—[zl)(L—ZW)>. (6)

Thus, it can be observed that, with the center
patches dimensions and gap g» being fixed, the dimen-
sions of the parasitic strips constitute the critical factor
affecting the total capacitance. Therefore, adjusting the
dimensions of two distinct parasitic strip sets enables
modulation of the total capacitance (Cyyy), thereby
influencing the antenna’s resonant frequency.

In this study, we compared the case with and
without parasitic strips, Ant. 1 and Ant. 2. It is shown
that the introduction of parasitic strips improved the
impedance matching at higher frequencies while suc-
cessfully achieving a wideband circular polarization at
frequencies around 2.5 GHz. The introduction of par-
asitic strips modifies the current distribution, resulting
in y-direction and x-direction currents exhibiting equal
amplitude with a 90° phase difference in the low-
frequency band, thus achieving circular polarization at
lower frequencies. However, the circular polarization at
around 4.6 GHz is almost vanished.

To introduce circular polarization bandwidth in the
high-frequency band, observation of surface current vec-
tors on the ground plane at 5 GHz revealed a current
mismatch condition at the etched edges. Consequently,
a set of triangular notches were etched around the
original square slot, with the final configuration shown
in Fig. 1 (d). Comparing Ant. 2 and the proposed
one, it is observed that the introduction of the trian-
gle notches enhanced circularly polarization at higher
frequencies while maintaining a similar operating band
as Ant. 2. Circular polarization is also observed from
4.4~5.22 GHz. Such an effect is a result of the strategy
that extended the current path as illustrated in Fig. 3,
making it close to the half wavelength at 5 GHz.

ACES JOURNAL, Vol. 40, No. 11, November 2025
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Fig. 2. (a) Structure of Ant. 1, (b) structure of Ant. 2,
(c) simulated S parameters S11, (d) simulated axial ratio
AR of Ant. 1, Ant. 2, and proposed antenna.
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Fig. 3. Current path at 5 GHz. (a) Ant. 2 and (b) proposed
antenna.



C. Parametric analysis

To further validate the effects of parasitic strip
integration and slot etching on antenna performance,
we analyzed their parameters separately using CST
Studio Suite. The impacts of parasitic strips and etched
notches on antenna S11 and AR are demonstrated in
Figs. 4 and 5. As observed in Fig. 4, the two dis-
tinct parasitic strip sets with differentiated dimensions
induce frequency band-specific modifications, enabling
independent regulation of impedance matching across
distinct frequency bands.
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Fig. 4. S11 and AR versus frequency for (a) 11 and wl
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Fig. 5. S11 and AR versus frequency for different values
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As shown in Fig. 5, significant modifications in S11
and AR are observed. With the increase of Is, the oper-
ational bandwidth at lower frequencies exhibits minor
expansion, while the upper cutoff frequency at higher
frequencies demonstrates a pronounced downward shift.
Figure 5 (b) reveals that the first AR frequency range
remains nearly unchanged, whereas the second AR fre-
quency range shifts substantially from 4.65-5.20 GHz
to 3.34-4.37 GHz, with its corresponding minimum
AR value shifting from 5 GHz to 4.13 GHz. This
phenomenon occurs because Is directly governs the
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resonant frequency. As Is increases, the frequency ratio
decreases from 2.01 to 1.57, elongating the current prop-
agation path and thereby exciting resonance at lower
frequencies.

The effects that the parasitic strips and the notches
have on S11 and AR are plotted in Figs. 4 and 5. In
Fig. 4, the increase of the parasitic strips size barely
affects S11 and AR at lower frequencies but would
cause a little shift at higher frequency. That is because
the impedance at the operating frequencies is chang-
ing smoothly, hence slight changes of the parasitic
strips would cause little difference on the antenna input
impedance.

/
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Fig. 6. (a), (b) Photo of antenna prototype. Simulation
and measurement results of (¢c) S11 and (d) AR and gain.

In Fig. 5, significant changes are observed for both
S11 and AR. In Fig. 5, with the increase of Is, the
working frequency band at lower frequencies is only
slightly extended, while at higher frequencies, the upper
cut-off frequency is greatly shifted to a lower frequency.
As reflected in Fig. 5 (b), the first AR frequency range
is barely changed, while the second AR frequency
range exhibits significant shift, from 4.65~5.20 GHz
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Table 2: Comparison with other dual-band circularly polarized antennas

Ref. f1/f2 (GHz) | FBW/FBWy | ARBW/ARBWy | Gainy/Gainy (dBic) | Antenna Size (/\g at fy)
[13] 2.35/4.15 18.2%/17.8% 72.1%/63.5% 7.87/5.71 0.94*0.82%0.22
[14] 2.49/3.44 35.48%/25% 7.1%/5.06% 3.36/3.16 1.47*%1.47*%0.01
[26] 3.48/5.03 |30.48%/18.51% 8.06%/6.38% 6.9/7.3 1.33*1.33*%0.34
[27] 291/541 |18.56%/10.45% | 37.03%/33.9% 4.79/4.27 1.79*1.79*0.02
[28] 5.77/9.3 4.5%/2.7% 23.07%/28% 8.4/6.35 1.28*1.28*0.07
This Work | 2.74/4.64 36.6%/51.3% | 53.19%/21.56% 4.45/6.24 0.64*%0.640.04

Ag: actual wavelength of the center frequency of the low-frequency range, ARBW: relative bandwidth of circular

polarization within the passband [13].

to 3.34~4.37 GHz, of which the corresponding mini-
mum AR value shifted from 5 GHz to 4.13 GHz. As
a consequence, the frequency ratio is changed from
2.01 to 1.57. That is because lIs affects the resonant
frequency. With the increasement of 1s, the current flow
path would be extended, hence excited resonances at
lower frequencies.

Sim.GainLHCP

Sim.GainRHCP = = =Mea.GainLHCP = = -Mea.GainRHCP

180
Yyz-plane

w2 piane
(b)
Fig. 7. Simulated and measured normalized radiation
patterns of the proposed antenna at (a) 2.45 GHz on xz-
plane and yz-plane and (b) 5.0 GHz on xz-plane and yz-
plane.

III. ANTENNA MEASUREMENT

The proposed antenna was fabricated as shown
in Fig. 6 (a) and measured using Keysight N5227A
network analyzer and Satimo system. Figures 6 (b)—
(c) shows that the measured and simulated results
are well matched. Due to fabrication and measuring
errors, a slight frequency shift was observed, but still
within the required frequency range. The proposed

antenna achieves a measured S11<-10 dB bandwidth of
36.6% (2.23-3.25 GHz) and 51.3% (3.58-6.05 GHz),
AR<3 dB bandwidth of 17.6% (2.32-2.77 GHz) and
11.1% (4.65-5.20 GHz), and peak gains of 4.45 dBic
and 6.24 dBic, respectively. Figures 7 (a)—(b) show the
simulated and measured normalized radiation patterns in
the xz- and yz-planes of the two frequency bands-

Comparisons between the proposed antenna and
recent reported ones are listed in Table 2. As observed,
the proposed antenna has achieved widest relative
bandwidth for both impedance frequency bands and
AR bandwidth, while obtaining high gain and small
size. Therefore, it is a better candidate for wireless
applications.

IV. CONCLUSION

This paper proposes a low-profile dual-band cir-
cularly polarized antenna for use in the 2.45 GHz
communication band and the 5G sub-6 NR band (3.5-
5.7 GHz). The proposed antenna employs a stacked
and microstrip line-fed structure to produce ultra-wide
operating bandwidths as well as circularly polarized
radiation responses in the low- and high-frequency
bands, respectively. The introduction of a star-slot struc-
ture at the ground plane not only affects the coupling
efficiency but also affects the operating bandwidth and
circularly polarized bandwidth. Test results show that
the antenna has wide operating bandwidth and circularly
polarized bandwidth. Comparing with existing methods,
the antenna does not require the use of two antenna
radiators or additional polarization conversion or rotat-
ing substrate, which provides a new approach for the
design of dual-band antennas. These features make the
proposed antenna attractive in duplex communication
systems.
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Abstract — A hybrid analytical method integrating the
equivalent circuit method, electromagnetic topology
theory, and the generalized BLT (Baum-Liu-Tesche)
equation is proposed. This method systematically incor-
porates plane-wave incidence-angle effects and lossy
conducting material properties and is further extended
to heterogeneous configurations such as stepped cavities
and series-parallel hybrid cascaded three-layer cavities,
thus enabling rapid yet accurate assessment of both the
shielding effectiveness (SE) and resonant behavior in
complex metallic cavities. First, a model based on equiv-
alent circuit theory is established. Next, a corresponding
signal flow graph is established using electromagnetic
topology theory, after which the generalized BLT equa-
tion is derived to compute the SE. Comparisons with
CST full-wave simulation results demonstrate that the
proposed method achieves a significant improvement in
computational efficiency while maintaining high accu-
racy. It effectively accommodates arbitrarily eccentric
apertures, aperture arrays, and arbitrary observation
points, and can rapidly and accurately predict the SE
and higher-order resonant frequencies, even at elevated
frequencies. This work provides a simple and efficient
analytical method for analyzing the SE of various het-
erogeneous and complex metallic cavities.

Index Terms - Electromagnetic topology (EMT)
theory, equivalent circuit method, general Baum-Liu-
Tesche (BLT) equation, shielding effectiveness (SE).

I. INTRODUCTION

As aviation equipment advances rapidly, the num-
ber and variety of airborne electronic devices are
increasing at an accelerating pace. These electronic
devices generate significant unintended electromagnetic
emissions during operation, giving rise to a series of
self-interference and mutual interference problems. Fur-
thermore, against the backdrop of the evolving mod-
ern warfare, various directed energy electromagnetic
pulse weapons are being developed at an unprecedented
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rate. The reliable operation of electronic devices in
complex electromagnetic environments has become a
critical factor determining the outcome of modern
warfare. Electromagnetic shielding is a key means of
achieving electromagnetic protection. Its core principle
involves using shielding structures to reflect and absorb
electromagnetic energy, thereby effectively blocking
electromagnetic radiation coupling pathways. Shielding
effectiveness (SE) is typically evaluated by measur-
ing the reduction in electromagnetic field strength at
an observation point with and without the shielding
structure. However, in practical applications, due to
constraints imposed by manufacturing processes, signal
transmission requirements, ventilation and heat dissipa-
tion requirements, shielded cavities inevitably contain
certain apertures and gaps, such as cable feedthrough
apertures, ventilation openings, and display windows.
The existence of these apertures and gaps significantly
degrades the shielding performance, creating pathways
for radiation coupling that allow external electromag-
netic fields to penetrate the cavity, thereby interfering
with or even damaging the cavity’s internal components.
Therefore, investigating the electromagnetic shielding
performance of metallic cavities is vital for guaranteeing
the reliable functioning of airborne electronic systems.
Currently, research methods for addressing metallic
cavity shielding issues are broadly classified into numer-
ical, analytical, and experimental approaches. Numer-
ical methods include the finite-difference time-domain
method [1], transmission line matrix method [2], and
method of moments [3]. While these methods can
achieve high-precision computational results through
accurate modeling of cavity structures, they demand
significant computational resources and time costs. Ana-
lytical methods primarily include the small aperture
coupling theory [4], the equivalent circuit method [5, 6],
and the Baum-Liu-Tesche (BLT) equation method [7].
These methods offer distinct advantages such as high
computational efficiency and a streamlined modeling
process, enabling rapid analysis and evaluation of the
SE and resonant characteristics of metallic cavities.

https://doi.org/10.13052/2025.ACES.J.401108
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In recent years, significant advancements have been
made in extending Robinson’s classical equivalent cir-
cuit model and the BLT equation method. Researchers
have further refined the circuit model, thereby extending
the prediction method to higher-order modes over a
broader frequency range [8]. However, this approach
remains limited to single-cavity structures and does not
adequately clarify its applicability to complex multi-
stage cascaded cavities. Further extensions have been
applied to cavities featuring aperture arrays and two
cascaded double-layer cavities [9, 10]. Although some
of these studies have considered the influence of incident
wave angles and the adaptability to double-layer struc-
tures, they still fail to resolve the challenges for irreg-
ular multi-stage cascaded cavities. An extended hybrid
analytical model has been put forward that considers
the effects of central, eccentric apertures, higher-order
modes, and aperture arrays in multi-cavity structures
[11, 12]. However, reference [11] only considers the
configuration of aperture arrays. Reference [12] only
analyzes resonant characteristics in the low-frequency
range (O~1 GHz) and did not extend to higher-order
resonant behavior at higher frequencies. Furthermore,
studies on irregular cavities also focus on low-frequency
(0~1 GHz) resonances and do not examine the effects
of eccentric apertures and arbitrary observation points
[13, 14]. Additionally, studies on complex cavity struc-
tures with internal sub-cavities do not consider aperture
array effects or high-frequency higher-order resonant
responses [15]. In summary, existing research still has
the following main limitations: (a) Most methods do
not systematically consider the impact of plane-wave
incidence-angles on SE; (b) There is a prevalent assump-
tion that cavities are ideal conductors, neglecting the
practical effects of lossy conducting materials; (c) The
majority of studies focus on simple single-cavity and
regular multi-cavity structures, lacking targeted analyses
for irregular and complex multi-stage cascaded cavities;
(d) Some works only address fundamental mode reso-
nance and SE in low-frequency ranges, lacking in-depth
exploration of higher-order resonant characteristics at
high frequencies.

This paper presents a hybrid analytical method
that integrates the equivalent circuit method, electro-
magnetic topology theory, and the generalized BLT
equation. This method systematically incorporates two
key factors, namely plane-wave incidence-angle effects
and lossy conducting material properties, and is further
extended to stepped cavities and series-parallel hybrid
cascaded three-layer cavities. The method enables rapid
and accurate evaluation of the SE and high-frequency
higher-order resonant characteristics of lossy, com-
plex metallic cavities with eccentric apertures, aperture
arrays, and arbitrarily positioned observation points.

ACES JOURNAL, Vol. 40, No. 11, November 2025

First, a refined equivalent circuit model of apertured
cavities is constructed based on equivalent circuit theory.
Subsequently, using electromagnetic topology theory, a
corresponding signal flow graph is established to charac-
terize the propagation and coupling mechanisms of elec-
tromagnetic fields, which culminates in the derivation of
the generalized BLT equations. Finally, the equivalent
circuit method is reintroduced to calculate the SE.

II. THEORETICAL DERIVATION OF THE
ANALYTICAL METHOD

This section presents the theoretical foundation of
the hybrid analytical method for evaluating the SE of
shielded cavities, which is further extended to stepped
cavities and series-parallel hybrid cascaded three-layer
cavities.

A. Modeling of shielded cavities

The geometric model of the rectangular metallic
cavity is illustrated in Fig. 1. The cavity has dimensions
of axbxd. The aperture, with dimensions of Ixw, is
centered at (xg,yo). The coordinates of an arbitrary point

P are (xp,yp,2p)-

Fig. 1. Apertured shielded cavity under plane-wave
excitation.

The incident electric field E can be decomposed
into the x, y, and z components [16]. The analytical
expressions for these components are given by:

E = &(cos@siny —sin@cos O cos ¥)Ey
+ ¢ (sin O cos W) Ey
— 2(cos@cosOcosy +sin@siny)Ey
= .’f}FpXE() +ﬁprE0 +£FPZE0' (1)
The amplitude of the electric field E is denoted

by Ep, and the constant terms of E are defined by the
polarization factors Fj,y, Fpy, and F,;.



The propagation vector f3 is given by:

B =—&(singsin6) By — g(cos0) Py
— 2(cos @sin )y
= fﬁE'xﬁO + QE'yﬁO + 2E’zﬁ0- 2
Here, the constant terms in each direction are
defined by the incident factors Fjy, Fiy, and Fi;.

The equivalent circuit for an apertured shielded
cavity is shown in Fig. 2.

Fig. 2. Equivalent circuit for apertured cavity under
plane-wave excitation.

The voltage Vj represents the incident plane-wave’s
equivalent voltage source, Zy denotes free space’s char-
acteristic impedance, while Z, denotes the characteristic
impedance, and k, denotes the propagation constant. The
voltage at point P is denoted by V; .

Assuming that the cavity is made of an ideal
conductor, the equivalent impedance of the aperture is
expressed as:

11 kol
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4 2 !
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Here, C,, is the aperture position factor.

GAO, YU, DU, HUANG: AN ANALYTICAL METHOD FOR SHIELDING EFFECTIVENESS OF COMPLEX METALLIC CAVITIES

When the cavity is made of lossy conducting mate-
rials, the equivalent impedance is modified to:
. kol
1 1 21+ jZostan =~
5 bmlos 11> (®)
2 a Zos + jZp tan 7§

zL:(Hj),/‘;’—”. ©)

Here, Z; denotes the characteristic impedance of the
cavity made of lossy conducting material.

For an array of n apertures, the total equivalent
impedance is defined as the sum of the equivalent
impedances of each individual aperture.

Zap =

n
Zap =Y Zupi (10)
i=1

B. Establishment and solution of the generalized
BLT equation

The shielded cavity signal flow diagram is presented
in Fig. 3.

i L -
> — >
J| T V(] | T J: | T J3 | Y J_|
b —» - - > - > - -
l| |‘ul V] [:'I V,‘:‘ I"J,I:f V;:[ VJ_;.‘
- d - o 7 oe- dy >

Fig. 3. Shielded cavity signal flow diagram.

Here the nodes Ji, J, J3, and J4 correspond to
the external observation point, the aperture, the internal
observation point, and the cavity bottom, respectively.
The paths Ty, T», and T3 represent distinct energy trans-
mission channels, Vi* and V'™ denote the incident
voltage and the reflected voltage, respectively.

The generalized BLT equation for determining the
target voltage is expressed as:

V=(U+p)T-p)'s. (11)

In the scattering matrix, the reflection coefficient p;
is zero, while p», p3, and p4 are expressed as:

Yo—Y, —Yap 2Y,
YO+Yg+Yap Y0+Yg+Yap
2= 2% Yo—Yo—Yap |
Y0+Yg+Yap Y()+Yg+Yap
0 1 Zp—Z,
= = . 12
el e (Gz) @

Here, Yy is the free space admittance, Y, is the
cavity admittance, and Y, is the aperture admittance.
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Assuming the cavity is made of an ideal conducting
material, the characteristic impedances for TE modes
and TM modes in a rectangular waveguide, denoted as
ZgE and Z;,FM, and the k, within the cavity are defined as
follows:

ZI® = 2y/\/1 ~ (mA /20)? — (nA. /2b)?

ZM = 20\ /1= (mA /200 = (n2 /26, (13)

ke =koy/1 — (mA/2a)2 — (n2./2b)%.  (14)

For a cavity made of lossy conducting materials, the
characteristic impedance and propagation constant of the
cavity are expressed as:

Zg" = Zoko kg
ZM = Zokg ko, (15)
kg =—Jv, (16)
r=-k-(1-)8

(17)
ke = /12— K2, (18)
keo = \/ K2+ k3, (19)
mn nmw 1
kx—77 ky 3 5—W- (20)

Here, k; is the phase constant, k. is the cutoff wave
number, &y, and &y, are the Norimura coefficients, and
0 is the skin depth.

The propagation coefficients I';,I">, and I'5 in the
propagation matrix are given by:

0 efkodi 0 eikeda
1—‘1 = |:ejk0d1 0 :| ) FZ - |:ejkgd2 0 5

ejkgd3:|

0
;= ijg o 5y Q1)

The excitation source S is expressed as:

S = [0.5Vpefkodit —0.5Vei0d2 0 0 0 0] .
(22)
Here, the sum of dq; and d1; is equal to d;.
According to equation (11), voltage V;, = V33. The
specific expression for the TE mode voltage response
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component is given by:
pr = _prE‘z%thCpx
TE
Epy = FpyFirVipCpy
TE
E, =0. (23)

Here m # 0, and the position coefficients C),, and
C), of the observation point are expressed as follows:

mnx, . NmWy
Cpx = cos —~ sin —=L
b
. mTx nmwy
Cpy = sin P cos T” 24)

The specific expression for the TM mode is written
as:

bm
™
pr = FPXFiZEVfPCFX
™
Epy" = FpyFirVipCpy
2

bk
™ 0
EM = —F,.F, —m;(g Vip1Cpe.- (25)

Here m # 0,n # 0,V;,1 is the maximum voltage
response of the observation point in TM mode. The posi-
tion coefficient C),, of the observation point is given by:

Cp; =sin (mzx,,) sin (%) . (26)

As shown in equations (27) and (28). The total
voltage is obtained by:

EPx = Z (E;E+E;)lc\/l)

m,n
Epy = Z (EIT)E +E;yM)
m,n
Ep.=Y EM. (27)
m,n

Eow = \/E%+E2,+E2. (28)

Without the shielded cavity, the voltage at the obser-
vation point is expressed as:

1 .
Ep= 5Voe—Jko (dipti+dy) (29)

Therefore, the SE can be calculated using equa-
tion (30).

E
SE = —201g"°“‘l . (30)

Epo
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C. Extension of analytical methods

This section extends the aforementioned methods to
calculate the SE of stepped cavities and series-parallel
hybrid cascaded three-layer cavities.

1. Stepped cavity

The geometric model of the stepped shielded cavity
is shown in Fig. 4, where the heights of cavity 1 and
cavity 2 are denoted by b; and b,. The equivalent circuit
model and signal flow diagram corresponding to this
configuration are shown in Figs. 5 and 6.

N

Z

j.—r

—_H——_—_—_— - ==
—
—
N
—_———— O — — —
e |

Fig. 5. Equivalent circuit for stepped cavity.
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Fig. 6. Signal flow diagram for stepped cavity.

Here, the node J4 represents the stepped structure.
The corresponding scattering matrix p4 is given by:

Yoo —Yo— Yy 2Ye
) Yoo +Yp+Ys Yo+Yep+Ys 31
4 = .
2Yg1 Yoo —Yo— Y4

Yo +Yp+Ys Ya+Yo+l

Here Y,; = 1/Zg and Yy = 1/Z, are the admit-
tances of electromagnetic waves propagating in the

cavity 1 and cavity 2, respectively, and Yy = 1/Z4
is the admittance of the stepped structure, which is
expressed as:

. —ihZa [ 1-0 (1+a %(“T“)Jrg
YT T 4, 40 \1-« Al
(32)
OCZbg/bl, (33)

20 ] /1 (261 /) 2
A:<1+a> (2b1/2) '1+3062’ 4

o) 1= (aba)* 179

R = AN 1= (/2002 — (/2622 (35)

The voltage at P and P> can be calculated as V;p1 =
V33 and Vi = (b1/bs) - Vss. Similarly, the SE of the
stepped cavity can be determined using this proposed
hybrid analytical algorithm.

2. Series-parallel hybrid cascaded three-layer cavity

The geometric model of the series-parallel hybrid
cascaded three-layer cavity is shown in Fig. 7. Cavity 1
has a height of b, while cavity 2 and cavity 3 are arranged
in a parallel configuration, with heights of b; and b,. The
corresponding equivalent circuit model and signal flow
diagram are shown in Figs. 8 and 9.

_J
by—ra—b >

T

B
»

Fig. 7. Geometric modeling for series-parallel hybrid
cascaded three-layer cavity.

0

T
-y

I'p,

Fig. 8. Equivalent circuit for series-parallel hybrid cas-
caded three-layer cavity.
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Fig. 9. Signal flow diagram for series-parallel hybrid
cascaded three-layer cavity.

In the signal flow diagram, node J4 represents the
two apertures of cavity 2 and cavity 3 and is modeled as
a three-port network. Node J5 corresponds to the obser-
vation point P, in cavity 2, while node Jg represents the
bottom of cavity 2. Similarly, node J7 corresponds to the
observation point P3 in cavity 3, and node Jg represents
the bottom of cavity 3. The calculation method for the
scattering matrices associated with each node remains
unchanged. The scattering matrix ps corresponding to
node J4 is given by:

St Sk Sh
P4 = Sgl Séz 533 ) (36)
53 S, Sh
St = (Y1 Vs + Yt Yaps + Yt Yapr + Vi Vo
—Y3Ygo — YoupaVo — YapoYes — YapoYap3) /Yia,

(37)
St = 2(Ya1Yes + Y1 Yap3 )/ Ya, (38)
Sts = 2(Yg1 Yeo + Y1 Yupa) /Yo, (39)

S3 = 2(Ye1 Yoo + Yer Vo3 + YerVap3) /Yea,  (40)
32 = (Ye1Ye2 + Yo Y3 + Ye2Yaps — Y1 Yapa
—Ye3Yup — YapoYup3 — Yo1 Yaps — Yg1Ye3) /Yia,
41)
8§33 ="5% =0, (42)

St = 2(Ye1Ye3 + YerYes + Ye3Vap2) /Y, (43)

Sty = (Vo1 Vo3 + Yer Vo3 + Y3 Vapo — Vo1 Yups
— Yoo Yups — Yo1Yups — Yo1Yer — YupoYup3) [ Yia,
(44)
Yia = Yo Yoz + Y1 Yaps + Yo1 Yopo + Y1 Yo
+ Y2 Y3 + Y2 Yup3 + YeaYapo + Yapo Yaps.
(45)

Here Y1, Yy, and Y3 represent the admittances of
electromagnetic waves propagating in cavity 1, cavity 2,
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and cavity 3, while Y, and Y3 denote the admittances
of the apertures in cavity 2 and cavity 3.

The propagation coefficients, denoted by I'y, I,
and I'z, are the same as those previously described, while
the expressions for I'4 and I's are:

[0 0 ekeds 0 0 0 1
0 0 0 0 0 elkads
elkads 0 0 0 0
=10 00 0 0 ek o |
0 0 0 ekads 0 0
0 ekeds 0 0 0 0 |
0 elkgad
[s= kad ] (46)

Here kg and kg3 denote the propagation constants
in cavity 2 and cavity 3.

The voltage at P is V1 = V33, the voltage at P
is Vipo = (b/b1) - V5, and the voltage at Ps is V;p3 =
(b/by) - V77. Similarly, the SE of the series-parallel
hybrid cascaded shielded cavity can be calculated using
this proposed hybrid analytical algorithm.

III. NUMERICAL VERIFICATION

To validate the hybrid analytical method proposed
in this study, several cavity models were designed to
perform numerical verification of the SE. Comparisons
and analyses between the results of the proposed method
and those from CST simulations were carried out to
confirm the reliability of this method.

The cavity models were fabricated from a lossy
conducting material with a magnetic permeability of
1.26x107® H/m and an electrical conductivity of
3.56 x 107 S/m. The thickness of the walls was set as
t =1 mm. The incident plane-wave angles were speci-
fied as y = 0°, ¢ = 0°, and 8 = 90°, whereby the wave
is incident perpendicularly to the aperture plane along
the —z direction. The frequency range investigated spans
from 0.1 to 3 GHz. The cavity dimensions, aperture
dimensions, aperture positions, and observation point
positions used in the models are summarized in Table 1.

Figure 10 presents the results for Case 1, the
observation point lies at the top-left corner. The results
demonstrate that the method enables accurate prediction
of SE at eccentric locations, with excellent agreement
between the analytical approach and CST simulations.

Figure 11 presents the results for Case 2, the aper-
ture configuration consists of a 3x3 eccentric square
aperture array. Due to the increased complexity of
the aperture geometry, more modes must be consid-
ered compared to a single aperture, which results in
additional resonance peaks. The analytical results from



Table 1: Parameter settings for calculation cases
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Case No. | Cavity Dimensions (mm) Aperture Dimensions (mm) Aperture Observation
Positions Point
(mm) Positions (mm)

1 320 x 160 x 260 40 x 20 (160,80) (55,140,85)

320 x 160 x 260 3 x 3 array, Each aperture:20 x20, (60,65) (225,140,255)
Spacing:4

3 gxg ; ggg i Bg i ;ig 40 x 20 (200,60) |  (45,90,155)
Cavity 1: 300 x 130 x 130 | 2 x 2 array, Each aperture:20

4 Cavity 2: 300 x 120 x 240 | %20, Spacing: 4 (212,72) (150,60,120)

5 Cavity 1: 300 x 120 x 160 | 40 x 20 (150,60) | P,(150,60,165)
Cavity 2: 300 x 60 x 100 | 40 x 20 (150,90) | P»(150,90,65)
Cavity 3:300 x 60 x 100 | 40 x 20 (150,30) | P3(150,30,65)
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Fig. 10. SE results of Case 1.

100

= = = Presented Model
csT

80

60

Shielding Effectiveness(dB)

20 F

-40 .
05 1 15 2 25 3
Frequency(GHz)

Fig. 11. SE results of Case 2.

the proposed method exhibit a high degree of agree-
ment with CST simulation results in both amplitude
and resonant frequencies. These results demonstrate
that the proposed method can accurately address both
central aperture and eccentric aperture array configu-
rations, enabling reliable calculation of SE and iden-
tification of resonant points for eccentric observation
points.

Figure 12 presents the results for Case 3 of the
stepped cavity. In this case, the eccentric aperture is situ-
ated at the bottom-right corner. The results derived from
the method proposed herein display strong consistency

= = = Presented Model
ST

Shielding Effectiveness(dB)

05 1 15 2 25 3
Frequency(GHz)

Fig. 12. SE results of Case 3.
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Frequency(GHz)

Fig. 13. SE results of Case 4.

with CST simulation results in both amplitude and
resonant frequencies, which effectively validates the
accuracy of the method when extended to stepped cavi-
ties with eccentric apertures.

Figure 13 presents the results for Case 4 of the
stepped cavity, The aperture configuration consists of a
2x2 eccentric square aperture array, with the observa-
tion point situated along the central axis of Cavity 2.
These results demonstrate that this method can accu-
rately predict the SE for stepped cavities with eccentric
aperture arrays, which further confirms its applicability
to complex aperture configurations.
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Fig. 14. SE results of Case 5 point P;.
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Fig. 15. SE results of Case 5 point P».
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Fig. 16. SE results of Case 5 point P;.

Figures 14, 15, and 16 present the results for Case 5
of the series-parallel hybrid cascaded three-layer cavity,
findings from the proposed method exhibit strong agree-
ment with CST simulation results in both amplitude and
resonant frequencies, indicating that the method is suit-
able for calculating the SE of complex cavity structures.
However, as the frequency increases, the discrepancy
between the calculated and simulated results becomes
more pronounced, though the overall trend remains
consistent. Additionally, since cavity 2 and cavity 3 are
arranged in parallel, their SE and resonant frequencies
are identical if their aperture sizes and observation point
positions are the same. Furthermore, the inner cavity
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exhibits resonances corresponding to those of the outer
cavity. This is attributed to the higher energy levels in
the outer cavity at its resonant frequencies, which, when
coupled to the inner cavity, cause a reduction in the SE
in the inner cavity at those frequencies.

All numeric calculations were carried out on one
computer, fitted with Intel Core i3-10110U CPU @2.10
GHz and 8 GB of RAM. The proposed hybrid analytical
method took no more than 20 seconds per calculation,
whereas the corresponding CST simulations took more
than 20 minutes. This substantial reduction in com-
putation time highlights the distinct advantage of the
proposed method in terms of computational efficiency.

IV. CONCLUSION

This paper presents a hybrid analytical method that
integrates the equivalent circuit method, electromagnetic
topology theory, and generalized BLT equations, while
systematically accounting for plane-wave incidence-
angle effects and lossy conducting material properties.
The approach enables rapid evaluation of both the SE
and the resonant behavior of lossy metallic cavities.
Compared with the results from CST simulations, the
method exhibits excellent performance in both accuracy
and computational efficiency. By introducing aperture
and observation point position factors, the method is
applicable to arbitrarily eccentric apertures, aperture
arrays, and arbitrarily positioned observation points.
Even at elevated frequencies, the method can quickly
and accurately predict the SE and higher-order resonant
frequencies. Furthermore, the proposed hybrid analyti-
cal method has been successfully extended to various
complex cavity structures, including stepped cavities
and series-parallel hybrid cascaded three-layer cavities,
thus demonstrating its broad applicability for SE analy-
sis in complex cavity configurations. This work provides
a simple and efficient approach for SE calculations in
complex shielding structures, and numerical validation
via CST simulations has confirmed its efficacy. Future
work will focus on experimental validation to further
corroborate these numerical findings.
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Abstract — Remote sensing of lactate is important in
both healthcare settings and monitoring athlete’s perfor-
mance. Many approaches for noninvasive remote sens-
ing of lactate use on-body resonator circuits that measure
changes in S-parameters to determine lactate concentra-
tion. However, due to their large size, most commercial
vector network analyzers (VNAs) are impractical for
taking on-body measurements of moving participants.
This paper presents an approach that uses smaller, hob-
byist, VNAs to create practical on-body measurement
systems.

Index Terms -  Bluetooth, lactate, MATLAB,
NanoVNA, noninvasive sensing, python, VNA, wireless
communication.

I. INTRODUCTION

Lactate monitoring within the human body can pro-
vide doctors, athletic trainers, and other health profes-
sionals with important information about their patients.
This might include monitoring patients who have been
in low oxygen situations or monitoring the exhaustion
of athletes. Currently, many techniques for measuring
lactate concentration require invasive procedures, such
as pricking a finger to draw blood. There has been
considerable development in noninvasive methods to
measure lactate concentration, which often measure
sweat, saliva, or tears; however, these methods often
require characterization of these samples from external
testing devices [1].

Recently, there has been additional development in
RF and microwave-based devices examining whether
the dielectric properties of lactate can be used with non-
invasive, on-body sensors to detect lactate concentration
[2-5]. Often, these devices use resonators or similar
circuitry and detect shifts in reflection and transmission
coefficients over various frequencies to determine the
concentration of lactate. While some approaches use
transmission responses for characterization [2], these
microwave circuits are often connected to vector net-
work analyzers (VNAs) [3-5].
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Current VNAs are often very large with respect
to on-body sensors that require the measurement of S-
parameters. Although some handheld VNAs do exist,
such as the Keysight FieldFox [6], they are often
still impractical for on-body measurements. However,
within the past 4 years, hobbyist VNAs, such as the
NanoVNA [7] and NanoVNA v2 by NanoRFE [8] have
become widely available and provide relatively small
footprints (though at the cost of measurement accuracy)
that can be attached to a person for remote lactate
sensing.

This paper explores the NanoVNA-H and
NanoVNA v2 hardware as potential measurement
devices for noninvasive lactate sensors.

II. NANOVNA HARDWARE

A. NanoVNA-H

The NanoVNA-H is a compact device that boasts a
variety of hardware capabilities and interfaces designed
to cater to a broad spectrum of RF measurement needs.
It includes two ports, labeled Port 1 and Port 2, and
is capable of measuring S1; and S;. The NanoVNA-
H is equipped with a simple user interface, consisting
of a touchscreen display that can be detached to render
the device more compact, enhancing portability for field
use or in testing environments where physical cables
are impractical or hazardous. Additional specifications
of the NanoVNA-H may be found in Table 1 [7, 9].

Table 1: NanoVNA-H characteristics

Frequency Range 50 kHz to 900 MHz
Frequency Resolution 100 Hz

Noise Floor -40 dB

Max Sweep Points 1024

Interface micro-USB, hardware UART

Moreover, NanoVNA-H hardware is designed to
interface seamlessly with numerous software and plat-
forms. One of the key interfaces is the UART (Uni-
versal Asynchronous Receiver/Transmitter), a hardware
communication protocol that facilitates serial commu-
nication between devices [10]. This interface allows

https://doi.org/10.13052/2025.ACES.J.401109
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the NanoVNA-H to communicate over Bluetooth with
modules like the HC-05, enabling wireless connectiv-
ity. The Bluetooth module connects to the VNA via
jumper wires attached to the VCC, Tx and Rx pins,
and GND. The Tx and Rx pins enable bidirectional
communication, allowing commands to be sent and data
to be received over UART. This wireless capability not
only extends the device’s usability in different settings
but also facilitates real-time data transfer to laptops
or smartphones, eliminating the limitations imposed by
cables.

B. NanoVNA v2

The NanoVNA v2 is an improved hobbyist VNA
created by NanoRFE, but it is not based on the original
NanoVNA-H design or derivatives [8]. Instead, it was
designed to be more performant than previous hard-
ware and was not designed to be compatible with the
NanoVNA-H.

The NanoVNA v2 is a two-port network analyzer,
capable of measuring S;; and Sj;. The authors used a
NanoVNA v2 (see Table 2) [11].

Table 2: NanoVNA v2 characteristics

Frequency Range 50 kHz to 3 GHz

Frequency Resolution 10 kHz

Noise Floor —40dB

Max Sweep Points 1024-65536 (firmware & PC
dependent)

Interface micro-USB

The NanoVNA v2 will interface with a host com-
puter via USB and connects as a virtual serial port.
Binary commands can be issued to the device to set
sweep parameters or read data from the device [11].

III. WIRELESS COMMUNICATION
INTERFACE WITH NANOVNA-H

The NanoVNA-H, while a compact and capable
device for RF measurements, typically requires a direct
USB connection for data interfacing, which limits its
applicability for dynamic and remote sensing applica-
tions. This section presents the integration of an HC-
05 wireless communication module, to enable remote
operation and data acquisition from the NanoVNA-H.

The HC-05 module was selected for its ubiquity,
ease of use, and sufficient data rate to transmit S-
parameters effectively. Interfacing the module required
firmware modifications to the NanoVNA-H, which were
implemented following the support provided by Dave-
Lapp [12]. The firmware release leverages the UART1
port for wireless data transmission when USB is not
active.
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A. Bluetooth module configuration

The HC-05 Bluetooth module was initially con-
figured with AT commands to set the device name
and baud rate, ensuring seamless communication with
the NanoVNA-H. These configurations were critical
for establishing a reliable link and compatibility with
various operating systems and host devices.

B. Hardware configuration

The interfacing between the NanoVNA-H and the
Bluetooth module involved connecting the Tx and
Rx pins to the corresponding UART pads on the
NanoVNA’s printed circuit board (PCB). This hardware
setup facilitated a virtual serial port over Bluetooth,
allowing for the wireless transmission of measurement
data. The UART connections are shown in Fig. 1. The
device under test (DUT) was attached to Port 1 of the
VNA so that it can be measured. This is shown in Figs. 1
and 2.

BRRRRREER  «o

Vee  «
HC-08 GND

TXD

RXD &

TENNNEEEN  sue =

Fig. 1. UART interface pin connections between HC-05
Bluetooth module and NanoVNA-H.

Fig. 2. NanoVNA attached to HC-05 Bluetooth module
via UART connections and a sensor antenna.



C. Software configuration

To capture and visualize the data wirelessly trans-
mitted by the NanoVNA-H, a MATLAB script was
developed and is listed in [13]. This script interfaces with
the Bluetooth module to receive data, applies necessary
calibrations, and plots the S-parameters for real-time
analysis. The use of MATLAB provided robust data
manipulation and visualization capabilities, essential for
interpreting the RF characteristics related to lactate con-
centration.

A Python library was also developed to interface
the NanoVNA-H to a host computer, allowing devices
without MATLAB to perform the same functions [13].
It allows users to control the NanoVNA, acquire S-
parameters data, and process this data for RF analysis.

D. Measurement saving and transfer

The wireless communication setup was tested in
various scenarios to ensure stability and accuracy. The
tests would involve remote monitoring of lactate con-
centrations using resonator circuits attached to the
human body. Figure 3 represents an example resonator
used to take microfluidic lactate samples. The wireless
NanoVNA-H proved to be a valuable tool for dynamic
testing environments where conventional VNAs are
unsuitable due to size and the necessity of a physical
connection.

Fig. 3. Finger resonator setup used for microfluidic
measurements that mimic lactate concentrations.

In this experiment, the NanoVNA-H was connected
via Bluetooth to a computer running the NanoVNA
Saver application, which is available as an open-
source application on GitHub [14]. This setup allowed
for convenient and wireless data acquisition from the
NanoVNA-H, streamlining the measurement process
and enhancing mobility. The control panel for the appli-
cation is shown in Fig. 4. The measurement results
downloaded from NanoVNA Saver are shown in Fig. 5.
The Smith chart, log magnitude, and other relevant plots
were generated in NanoVNA Saver, enabling detailed
examination of the DUT characteristics.
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Fig. 4. NanoVNA Saver sweep control interface.

Measured S-Parameter Comparison

0 - ,‘___-...,\,r..
m -5
=z
» -10
15 ——CMT808U
= = ‘NanoVNA
-20
0 0.2 0.4 0.6 0.8 1

Frequency (GHz)

Fig. 5. Comparison of measured S-parameters from
CMT808U laboratory VNA (calibrated) and NanoVNA
(uncalibrated) for the sensor antenna shown in Fig. 2.

Shown in Fig. 5 are S-parameter measurements
for an on-body glucose-sensing antenna developed by
Ostrem, Kringlen, and Evanovich in free space [15].
For comparison, the same antenna is measured on a
CMT-808U laboratory VNA, calibrated on Port 1 using
an S2611 Calibration Kit. The antenna measurements
were initially taken in free space in the range 0-1 GHz,
providing baseline S-parameter data for comparison.

For this antenna, the NanoVNA-H measured the
resonance of the antenna around 430 MHz to an accu-
racy <1 MHz. The magnitude of the reflection coeffi-
cient is within 1 dB at the same measured frequency.
It should be noted that measurements taken on the
NanoVNA express a reflection coefficient >0 dB even
though the device measured is passive. This is because
the NanoVNA cannot transmit calibrated measurements
over UART. In applications where calibration is neces-
sary, measurements of a calibration kit may be taken by
a user prior to use and have calibration applied through
software after measurements are complete.
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IV. WIRELESS COMMUNICATION
INTERFACE WITH NANOVNA V2

Due to the hardware differences from the
NanoVNA-H, the NanoVNA v2 does not provide a
hardware UART port that can be used to interface the
NanoVNA directly to a computer via a USB-to-serial
bridge. Instead, the module can only connect via USB,
which establishes a virtual USB Communication Device
Class (CDC) serial port between the NanoVNA and its
host computer.

A. Hardware configuration

Hardware setup for the NanoVNA v2 is relatively
simple. The DUT is connected to Port 1 (and Port 2, if
applicable) via a coaxial cable as shown in Figs. 6 and 7.
The NanoVNA is then connected via USB to a host
computer. In this paper, the NanoVNA was connected to
a host laptop running Windows 10. A smaller, portable
device such as a Raspberry Pi may be used in lieu
of the laptop to allow all hardware to be attached to
a person, and standard communication protocols such
as WiFi or Bluetooth may be used to transfer data
wirelessly.

WiFi/
Bluetooth

Local PC
(e.g. Raspberry
)

Remote PC

Port 1

Port 2

Fig. 6. Connection diagram of NanoVNA v2 for remote
measurement.

B. Software configuration

Using the USB data interface specification from the
NanoRFE NanoVNA v2 Manual and example firmware
provided on the NanoVNA v2 GitHub repository [16],
a Python library was developed to simplify interfac-
ing of the NanoVNA v2 with a host computer [13].
This Python library uses the pySerial library for serial
interfacing so that the source code is compatible with
Windows, Linux, or MacOS.

Due to firmware limitations, some sweep settings of
the NanoVNA v2 may yield bad measurement results.
For example, it was found that the number of sweep
points must be a power of 2 if more than 256 samples are
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Fig. 7. Test configuration of the sensor antenna using
NanoVNA v2 and a host computer.

being requested from the NanoVNA. Otherwise, some
repeated data will be sent from the NanoVNA v2.

C. Measurement saving and transfer

Using the software developed to interface with the
NanoVNA v2, a sweep of Sy; of the attached antenna
was measured and plotted as shown in Fig. 7. The
developed software is also able to export the measured
parameters to a touchstone file, which may then be
imported into software such as MATLAB for further
analysis. Files can be retrieved from the host computer
to other remote computers using protocols like SCP or
SFTP. The same experiment using the sensor antenna
developed by Collin Kringlen was used to examine
the measurement accuracy of the NanoVNA v2 when
connected remotely.

When examining the major resonance of the
antenna at 2.1 GHz, the NanoVNA has a measurement
accuracy of within 10 MHz. It does not, however, mea-
sure the magnitude of the S-parameters well, displaying
over 5 dB of difference when compared to the NanoVNA
v2. This is an expected tradeoff given the price of the
NanoVNA v2 compared to a professional VNA, though
application where only a shift in resonant frequency is
examined could greatly benefit from the size reduction in
measurement hardware. This setup also suffers from the
same calibration issues where it may report a reflection
coefficient >0 dB for a passive device, though software
libraries such as scikit-rf may be used to measure a
calibration kit and apply the calibration to the measured
data [17].
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Fig. 8. S;; plot of measured antenna on NanoVNA
v2 (uncalibrated) against Copper Mountain CMT808U
(calibrated).

V. DISCUSSION

This paper proposes a simple system for mak-
ing noninvasive on-body measurements of S-parameters
with small-footprint, low-cost VNA technology. How-
ever, there are potential areas where the software devel-
oped can be further improved.

First, it should be noted that direct readings from
the NanoVNA v2 do not reflect any calibration applied
to the device, so calibration needs to be applied in the
software on the host computer. This is evident in Fig. 8
where S;; > 0 dB at some points. Calibration can be
done using a library such as scikit-rf [17] or by custom
implementation, though it has yet to be implemented in
the currently developed Python codebase.

The developed software may also be imported as a
class into other Python modules, which can allow users
to develop real-time streaming of S-parameters or data
analysis. If good models are created that relate a shift in
Si1 or Sy; to lactate concentrations, this would enable
real-time on-body lactate monitoring.

VI. CONCLUSIONS

The integration of microwave sensor technology
with wireless data interfaces in the NanoVNA-H and
NanoVNA v2 paves the way for a new era in biomed-
ical sensing. This research not only contributes to the
field of biomedical engineering but also sets a prece-
dent for future innovations in portable measurement
technologies.

Through the use of a NanoVNA, this study has
demonstrated the feasibility of remote lactate sens-
ing, which has significant implications for health-
care and athletic performance monitoring. The suc-
cessful interfacing of the NanoVNA-H with Blue-
tooth communication modules and the development
of accompanying software in MATLAB and Python
highlights the potential for creating a user-friendly,
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cost-effective, and portable solution for real-time lactate
monitoring. Although an additional single-board com-
puter or similar device is needed to enable similar func-
tionality on the NanoVNA v2, the ability to wirelessly
interface with it provides additional opportunities that
the NanoVNA does not provide, especially enabling
measurement of S-parameters in the 900 MHz to 3 GHz
range.
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Abstract — The most commonly used cables in device-
to-device communication, such as USB, HDMI, DP, or
PCI-e cables, as well as the MCIO cables currently
used in artificial intelligence (AI) servers, has a dif-
ferential Twinax configuration. The use of differential
transmission aims to mitigate the impact of external
interference. The Twinax structure consisted of a twin-
core cable with an outer copper foil shielding. Achieving
perfect symmetry in the Twinax cable is a challenge.
This work investigated whether the asymmetrical struc-
ture and material impacted the production yield rate.
The focus was on the mixed-mode analysis of the
asymmetric Twinax cable. By utilizing mixed-mode S-
parameters, we aimed to determine whether the cable
designs met industry standards and complied with data
rate requirements. Due to intense market competition
and short development cycles, 3D full-wave simulations
were time-consuming because of the high mesh count.
Moreover, modeling was challenging because the center
of each segment of an actual cable underwent slight
variations. To expedite the design process, a method was
developed to extract Twinax cable RLGC (Resistance,
Inductance, Conductance, Capacitance) parameters, cal-
culate mixed-mode S-parameters, and perform analysis
and evaluations. Our approach not only enables effi-
cient signal quality assessment across cables of varying
lengths by simply connecting each small segment to
account for continuous manufacturing variations but
also significantly reduces product development time to
under one hour. Furthermore, this work investigated
the impact of common manufacturing imperfections,
ensuring robust and reliable designs for real-world
applications.

Index Terms — Mixed-mode scattering parameters,
RLGC parameters, transmission line analysis, Twinax
cable, vector network analyzers.
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I. INTRODUCTION

Whether it is 5G/6G, artificial intelligence (AI),
high-performance cloud computing (HPC) systems, or
quantum computing, future technologies all involve han-
dling vast amounts of data and information. The demand
for data rates continuously increases, and interface com-
ponents for transmitting and receiving data face numer-
ous challenges in maintaining signal integrity during
high-speed transmissions. The Peripheral Component
Interconnect Express (PCle) interface standard is the
most common in high-performance computing systems
and data centers [1]. Since PCI-SIG introduced PCle
1.0 in 2003, it has evolved continually, with the PCle
6.0 standard released in 2021, boosting transmission
capability from 2.5 GT/s to 64 GT/s. Increasing the
frequency enables support for higher data rates. For
high-speed digital signals, differential transmission with
Twinax cables is commonly used because it effectively
eliminates external noise.

The production process involves two methods: sep-
arate extrusion [2] as shown in Fig. 1 (a) and co-
extrusion [3] as shown in Fig. 1 (b). The separate
extrusion structure is inhomogeneous due to air gaps
between the shielding and the dielectric insulator, result-
ing in an inhomogeneous dielectric in copper Twinax
cables. The time domain time skew in Twinax cables
is typically used as an indicator for testing the signal
integrity (SI) performance of the cables [4]. However,
time skew cannot accurately reflect the performance of
the product in actual applications, as delay decreases at
higher frequencies [5].

Moreover, compared to co-extruded cables, sep-
arately extruded cables typically have lower manu-
facturing costs but are believed to have greater skew-
induced differential insertion loss resonance [6]. Time
skew causes differential insertion loss to resonate at
a frequency equal to 1/(2-time skew) [7], thereby

https://doi.org/10.13052/2025.ACES.J.401110
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Fig. 1. Cross-section of Twinax cables. (a) Separately
extruded cable. (b) Co-extruded cable.

minimizing unnecessary resonance in differential
insertion loss at operating frequencies under lower time
skew. Contrary to common belief, in separately extruded
cables, dielectric non-uniformity helps reduce skew
caused by structural asymmetry at high frequencies and
eliminates the resonance due to differential insertion
loss skew.

Studies indicate that dielectric non-uniformity
could cause modulation behavior in scattering param-
eters (S-parameters) [8]. This phenomenon is like
microstrip lines [9], where the phase velocity of odd and
even modes varied due to dielectric non-uniformity [10].
Dielectric non-uniformity also causes relatively minor
changes in capacitance [11], leading to modulation
between propagation constants and significantly altering
S-parameters [12]. Since the changes in the capacitance
matrix are relatively minor, this variation was generally
referred to as capacitance disturbance.

Non-uniformity and asymmetry are considered dis-
turbances to the RLGC parameters, preventing accurate
signal level interpretation and increasing bit error rates
(BER) [13]. Furthermore, the characteristic modes of
asymmetric coupled transmission lines are not limited
to odd or even modes, necessitating transformations for
the required mixed-mode S-parameter analysis.

In practice, analyzing the impact of dielectric
non-uniformity and asymmetry on the signal integrity
performance of Twinax cables, analytical equations
for calculating S-parameters based on RLGC param-
eters can be derived. Calculating S-parameters from
the RLGC parameters of multi-conductor transmission
lines typically requires computing the hyperbolic func-
tion of matrices [14]. The hyperbolic matrix function
can be calculated through infinite series summation,
which increases the complexity of perturbation anal-
ysis [15]. Therefore, perturbation analysis based on
solving eigenvalues and eigenvectors was proposed [16].
S-parameters can be calculated based on elements of the
RLGC parameters without needing to compute matrix
hyperbolic functions or any other infinite series. This
assumes the cables are ideal transmission lines, with no
variation along the transmission direction.
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Our method employs an Ansys 2D extractor to
extract S-parameters and derive R, L, G, and C param-
eters. We performed measurements on PCle Twinax
cables comparing the measurement results with the
mathematical calculations. The results validated the
accuracy of the mathematical calculation method, which
could be applied to cable design. Additionally, because
the concept was applicable to microstrip lines, the calcu-
lation method could be extended to printed circuit board
assembly (PCBA) design.

There is already substantial research on symmetric
transmission lines, but studies on asymmetric transmis-
sion lines only saw theoretical analysis starting in the
1990s [17, 18]. Research in this area is categorized under
multiconductor transmission lines, primarily focusing
on those based on conductive substrates. By measuring
the S-parameters and applying curve fitting, the RLGC
parameters of the transmission lines are obtained. It is
important to note that this analysis needed to ignore
the effects of other higher-order modes; otherwise, the
extracted RLGC parameters will have significant errors.

This work is an extension of [19], providing a more
comprehensive description of the structure, materials,
and methods for actual cable measurements. In sec-
tion II, we present a method to calculate the R, L, G,
C, and asymmetric S-parameters of coupled transmis-
sion lines. Section III simulates and calculates the S-
parameters for four different Twinax cable scenarios
when non-ideal conditions are considered, discussing
whether the mixed-mode S-parameters meet industry
standards. In section IV, we compare the measured S-
parameters of Twinax cables produced with the calcu-
lated results to confirm their consistency. In section V,
we conclude the paper.

II. CALCULATING R, L, G, C, AND
S-PARAMETERS FOR TWINAX CABLE
A. Transmission line theory analysis for Twinax

cable

The coupled two-dimensional transmission line
model assumes that the two wires are symmetrical, as
shown in Fig. 2. This structure ignores the influence
of higher-order modes and assumes that the voltage
propagation direction is along the x-axis. The magnetic
field generated by the current in the first wire divides the
interior of the wire into infinitely many concentric cir-
cles with negligible thickness. Each circle experiences
different magnetic flux, resulting in varying eddy current
strengths, with the strongest eddy currents near the
center. Consequently, the current tends to concentrate on
the surface of the wire. The proximity effect is caused by
the eddy currents induced within the second wire, which
resist changes in magnetic flux generated by the current
in the first wire. Because the magnetic field strength is
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inversely proportional to the distance from the first wire,
the magnetic field is stronger in areas of the second wire
closer to the first wire, leading to larger opposing eddy
currents. Conversely, areas of the second wire closer
to the surrounding ground experience weaker magnetic
fields, resulting in smaller opposing eddy currents.

- Riz
Ryp 2050 2
Vi(x t) @ Cpyhx —— S Gubx Vi(x + Ax,t)
r <
+ l +
—> A T >
Ii(x,t) Ry Ax LyiAx I (x + Ax, t)
Cizd =
Ly, — S Gphx
L(x,t) Ryphx LypAx L(x +Ax,1)

> AANN—T— T | ?

£
Vy(xt) L@‘

R,
Zht
2

Valx+ Bx,8)

G =— Gyphx

A

R,

Ax =

Fig. 2. Equivalent circuit of two-dimensional transmis-
sion line.

The two-dimensional transmission line can be
expressed as:

dv . .
*dfl =Z11i1 + Z12ia, (D
X
dvy . )
I =Zpir + Z13iy, )
X
diy
*df:anlJrleVz, 3
X
dip
= Yoovo +Yiovy. 4
X

Where:

Zin =R+ jol,
Zip =R+ jolis,
Zr1 =Ry + jolyy,
Zy =Ry + joly,
Y11 = G11 + G2+ jo(Cr1 +Cr2),
Y12 = G2+ joCa,
1 =Gy + joly,
Y2 =G+ G+ jo(Cx +Cr2).

Z11 is the series impedance of the first wire, Zp; is the
series impedance of the second wire, Zjy (or Zpp) is
the mutual impedance between them, Y;; is the shunt
admittance of the first wire, Y>> is the shunt admittance
of the second wire, Y}, (or Y»;) is the mutual admittance
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between them, L;; is the self-inductance of the first
wire, Ly is the mutual inductance of the second wire,
C11 is the self-capacitance of the first wire, Cyp is the
mutual capacitance between the two wires, Ry is the AC
resistance of the first wire, R, is the mutual resistance
within the second wire, Gp; is the self-conductance of
the first wire, G, is the mutual conductance between
the two wires.

By substituting (3) into (1) and (2), and (4) into (1)
and (2), the voltage propagation equations are derived.
Observing equations (5) and (6) as a system of cou-
pled differential equations, it is challenging to solve
for the voltage propagation behavior of v; and v, in
this scenario. Therefore, the application of eigenvalue
decomposition is necessary. The procedure involves rep-
resenting (5) and (6) as matrix equations, as shown in
(7). Decomposing the 2x2 matrix in (7) into eigenvalues
A and A, with corresponding eigenvectors e; and ey,
considering the infinite solutions for eigenvectors, set x;
and x3 as 1. Proceed with the calculations:

% =ajvy+b1vy, 5)
% =arvy +byvy, (6)
o I I | ER
B .
ol )

Taking (10) into (7) yields (A). Next, by differenti-
ating as a linear operator, the differential operator can be

factored out, resulting in (A). Let [e_f e_2>] g [:1} be a
2

. . 1% .
new variable representing vC , leading to a decoupled
T

system of simultaneous differential equations. Finally,
after solving for v, and vy, substituting back into

e
for vi and v, in (17) and (A). As for the current prop-
agation behavior of 7| and i, substituting v; and v, back
into (3) and (4) provides the expressions for i; and i3 in
(A) and (A). C and 7 represent characteristic orthogonal
basis modes for asymmetric transmission lines, analo-
gous to even and odd modes for symmetric transmission
lines, differing only in symbol representation. Here, x,
and x4 denote the ratio of v and v, under C and & mode
scenarios:

a b 20 .
L,; a;]=[e_f e_ﬂ{ol /12] e @], a0

{:1} yields the propagation equations
2
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612[V1]:[—> 2] Pl 0][6_1> 3

dx? |v2 ‘ello n “ v2|’
(1n
yooa ¢ -
— —-1d7 |y Mo O] -1
@)= alm @
(12)
o ] [ 0] -1 [
—alel @] ] =0 lef 3] b’
(13)
d?> Tv,] A 07 [v.
de® |ve] |0 Ap] |va)’ (14)
d%v,
2 = Mve, (15)
d*vy
72 = Avr, (16)

V1=A167\/EX+A267\/EX+A3€7 AZX+A467 llzx,
(17)

vy = Alxze_\/f‘x +A2xge_\/ﬂx + Azxge” VHx
+Agxge VA, (18)
i1 = Achle_\/Tlx +A2xYL.1e_\/}T‘x +AsxY pre” Apx

+AgYre Vi, (19)

i = Alszczef\/ﬂx +A2x2Yc2€7\/}T'x
+A3X4Yn2€_\/gx +A4X4Yn2€_\/gx~ (20
Here /A4; and \/A, represent the propagation constants
for the ¢ and  modes, respectively, and Y., Y1, Y2, and
Y1 denote the characteristic admittances for the second

and first wires of the C and @ modes, respectively.
For C mode:

dV] . 1 . di]
=7 Zip— —— =Y, Y12R
d. 11+ 12Rn11, . 11v1 +Y12Revy,
Ry — 52+ jo(Ly — %2
Zy = 7 O~ k) 1)

G114+ G2 —RcGia+ jo(Cry’
+Ci2—RcCi2)

7o Ry — RzR12+ jo(Laz — RzLin)
@ G | ; Coy’
Gn+Gin— 32 +jo(Cr+Ci—32)
(22)

For © mode:

i 1 Vo

— Z2_g
ii R, v ™
W it T Ay v+ YR
—— =7Zni —i, ——— =X Vi,
dx 1141 ]2Rcl dx 11V1 121\ V]

Ry — %]Cz +jo(Li — %Cz)

G114+ G2 —R:Gi2 + jo(Cy’
+Ci2 —RzC12)

Znl = (23)

7 Ry —RcR12 + jo(La2 — ReLia)
™= G |y ; Cy:
Gn+Gin— F2 +jo(Cn+Ci — F2)
(24)

The RLGC parameters of the asymmetric line can
be calculated from the C mode (21) and (22) and & mode
(23) and (24) equations, yielding expressions (25)—(45):

Ry . Ly
Ri—-2 4oL, -=2
( 11 R, +J ( 11 R,,))
= 25
te *(G11+ G2 —RcGi2 @5)
+jo(Ci1 +Ci2 —RcCr2)),
Ry . Ly
Riy—-2+tjo(L,-=22
( 11 Re +J ( 11 Rc>>
= 26
Ya x (G114 G2 —RzG12 (26)
+jo(C11+Ci2— R:C12)),
Ry . Ly
Z =Ry — — o|L—— 27
1 * Yo 1 Rn-f—] (11 R,,)’ 27
Ry . Ly
Z =Ry — — oL —— 28
w1 * Yo 1 RC—H (11 RC>7 (28)
Zo*Y¥e =R —RzRip+ jo (Lo —RzLi2), (29)
Zpo*Yp =Ry —RcRi2+ jo (Lyy —RcLi2), (30)
Yo/Ze1 = Gi1+Gi2 —RcGyy
+ jo(Ci1 +Ci2 —RcCr2), (31
Ye/Zz1 = G11 + G2 —RzG12
+ jo(Ci1 +Ci2 — RzC12), (32)
G . C
YC/Z02:G22+G12_£+](D Cop+Cpp— -2 ;
Re Re
(33)
G . C
Yn/Zn2=G22+G12—£+J(D Cp+Cin— =2 .
R, Ry
34
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The simultaneous equations (27) to (34) can be used to
derive the values of (35) to (45):

RxZe1Ye — R.Z,
R11:Re<( S ’“””)>, (35)
c I\g
ZaYe—Z
R12:Re<( e ’”y”)>, (36)
R TR
R.Z.Ye —R:Z
¢ I\m
Lii = Im (REZCIYC_RCZﬂl,YTE) (38)
11 (RC*RH)CO B
ZaYe—2Z
Ly = i | Ve Zmtn) L mita) | (39)
(E‘i‘Rc)CO
22 (RC—Rn-)a) b
Y (1_p\_ Y1
oo (ORI BRI
11 (RL—R”)CO )
()
Crp=1Im | 2] (42)
(Re—Rp)o |’
e (1_1)_m (1_ 1L
Cyn=Im <Z”2< R;r) _Tz( R(>) , (43)
(#+7)o
(%0 -Re) = F5(1-R)
Gi1 =Re (R R ) , 44)
c I\g
(%)
G2 = Re ﬁ , (45)
¢ I\mw

SCIE R YY)\

B. Extraction of S-parameters for asymmetric cables

Figure 3 depicts the model of an asymmetric trans-
mission line. Coefficients for the C and & modes, as well
as the transmission system’s ABCD matrix, are given by
(46), where Ski1,Sk12,522, and S»; are 2x2 matrices.
Vo1 = [va Vb]T, Vo = [ve Vd]T, I = [L Ib}T,
Ip = [l I T A,B,C, and D each represent 2x2
matrices.

Finally, the S-parameters for the asymmetric trans-
mission line are obtained from the ABCD matrix. The
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I

Fig. 3. Model of an asymmetric cable.

4-port network is simplified to a 2-port network through
vector representation, with the matrices A, B, C, and D
represented as:

Vpl _
I

A= e 50" comin)

all >l

[ 'r2 ] : (47)

—In

R, -1
« [Rc : ]} (48)
= 1
[B] = R. R
ch Zn'l % Ri‘c _Rc
Zo Zn -1 1
sinh(y.1) 0 (1 R.
[ 0 s1nh(}/nl)] |1 RJ }’ “49)
11
= Z; Z
[C] _ 1 1 7l . 1 1
Rz —R. 1 1 R. Rz
Zo Zm

(50)

D= %, 1R{ [157; _ﬂ

cosh(y.1) 0 1 R
X{ 0 cosh(ynl)} {1 Rn] } G

The relationship between the ABCD matrix and S-
parameters is:

— - o1
[A Bl _ F—Sku _ZO(Z+Sk11)]
¢ D St ZoSia1
S ~ZoSk12
X |= k12: :Og :QW (52)
=80 Zy (l +Sk22)



Here
Sit Sz Si3 Suia .
Sar S22 823 Soa| _ Sk Ski2
S31 832 833 S St S|
Ss1 Sap Sa3 Suma
[1—-S11  Si2 50(1-1-5”) 50% S,
0= S71 1—8» 50%8 50x(1+Sx»)
o S31 S3 50 % S3; 50 % S3 ’
i S41 S 50 % Sy 50 % Sy
[ 83y S41 —50% 83 —50% 8541
W= S32 S42 —50*532 —50*342
T |1—=S833  Sa3 50*(1+SS3) 50 % S43
i Sy 1 —Syu 50 % S34 50 (1+S44)

In the matrix, ports 1 and 2 are on the same side,
while ports 3 and 4 are on the other side. We first
calculate the RLGC parameters from the S-parameters
of a short segment of the cable obtained using 2D
extractor. Then, using the ABCD matrix, we cascade the
segment to model cables of any desired length. Through
derivation, it is shown that the S-parameters for cables
of different lengths can be obtained. Based on the above
equations, we can write a program for future design use,
utilizing this numerical analysis to create a calculation
program for convenient future applications.

III. CALCULATE S-PARAMETERS FOR
NON-IDEAL TWINAX CABLES

A. Mathematical model verification

Due to the significant time demands of 3D full-
wave simulations in the design process, particularly
for cable lengths exceeding 1 meter, we have adopted
a more efficient approach. First, the S-parameters
obtained from the 2D extractor are converted into ABCD
parameters using (52). Next, eigenmode decomposition
and sorting are performed to derive the characteristic
impedances and propagation constants. To determine
Rc and Ry, eigenvalue decomposition is performed
on the A-matrix of the ABCD matrix by (48). The
R. R,J’ To obtain Y and ¥z, the
eigenvalues of the A-matrix are extracted, resulting in

cosh(y.1) 0

0 cosh(yx!
processed using Y. = cosh™ ' (eigenvalue 1) /1. For Zc1,
Zco, Zz1, and Zy,, the B-matrix of the ABCD matrix is
used. By substituting the previously determined Y, ¥,
Rc, Rz, and [, the characteristic impedances can be
derived. Finally, the RLGC values are calculated using
(27)-(45).

To validate our methodology, we confirmed the
consistency of the RLGC parameters calculated using

eigenvectors yield [ !

)} . The diagonal elements are then
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our approach with those directly extracted from the
Ansys 2D extractor. We chose to compare the inductance
and capacitance values, as these parameters are fixed,
making them easier to compare and clearly demonstrat-
ing their origin from the Ansys 2D extractor. Figure 4
shows the parameter settings of Twinax cables.

Conductor radius a 0.1275mm
Insulator thickness b 0.3225mm
- Conductor (Cu) y shifi 0.2mm
- Insulator Dielectric constant & 21
Loss tangent tans 10.001
hax Foil thickness t 50pum
[ Conductor material Copper

) )
M 02mms

Fig. 4. Parameter settings of Twinax cables.

Figure 5 shows a comparison of capacitance matri-
ces (L). Figure 6 compares the inductance matrices (C).
Results demonstrate that all the values are very close,
verifying the accuracy of our calculation program.

capacitance 2DExtractorDesign2 Ansys

120.00

IR,

100.00

80.00 = 7967

60.00 |

capacitance(pFim) [pF]

40.00 -

20.00 o

263
0.00 ——TT =T —T —T
0.00 10.00 20.00 3000 40.00 50.00

Freq [GHz]

500
(a)
capacwtance
140
= 120
& 110p.5F
ug__ll)(]—
U . 80.0pF
G capacitance
+ 60
|9) Sem—
8 o Cl1
© — (@2
9
21 G2
. 2.58pF

10 30 40 50

freanu ency(GHz)
(b)

Fig. 5. Capacitance matrices. (a) 2D extractor output. (b)
By calculation.

B. Calculating the parameters of non-ideal Twinax
cables

Taking the most used server cable, the Twinax
cable, as an example, the characteristic impedance
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inductance 2DExiractorDesign2  Ansys

300.00

= 27425

250.00 -

g
20000 ] 20576

150.00 —

inductance(nHim) [nH]

100.00

50.00 |

000 e i

0.00 10.00 20.00 30.00 40.00 50.00
Freq [GHz]
[z500
(a)
\nduc,ta,nge: i
250
= 205.4nH
§ 200
B
5!
O 150
[9)
c -
S inductance
U 100
S — (Ll
=
£ L
— 2
. 5.00nH
10 20 30 40 50
frequency(GHz)
(b)

Fig. 6. Inductance matrices. (a) 2D extractor output. (b)
By calculation.

is 100 ohms. Parameters are set as follows: copper
conductor radius a = 0.1275 mm, insulator thickness
b = 0.3225 mm, copper foil thickness t = 50 um,
g-=2.1,and 6 = 0.001. First, we observe the character-
istics of a 1-meter cable when the conductor position is
asymmetrically offset. Conceptually, when the two con-
ductors move in opposite directions by equal amounts,
the system is still considered symmetric. In this case, the
cable only exhibits odd and even mode characteristics,
with minimal variation in |S¢q].

Conductor radius a 0.1275mm
Insulator thickness b |0.3225mm
z_shift Sum

Spm Dielectric constant g 2.1
Loss tangent _tans 0.001
Foil thickness t 50pm
Conductor material Copper

Fig. 7. Cross-section of the cable when conductor is
offset.

However, when one conductor is fixed at the center
while the other is offset in any direction, the mode
characteristics are no longer limited to odd or even
modes. As shown in Fig. 7, when the left conductor is
shifted downward by 5 um, the modes are no longer
purely odd or even. Figure 8 shows that with a 5 um
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offset on one side of the conductor, there is no significant
change in the RLGC parameters, whether it is self
or mutual RLGC; the curves are nearly overlapping.
Figure 9 illustrates the mixed-mode parameters under
conductor offset, where Scpy; exhibits periodic fluctu-
ations, approximately at —75 dB.

Resistance Inductance

60 h 300 T T T
T —-R11 —_ _
£ - R22 €250
.40 E;? | € 200{[=-L11
b [~ @ ——L22
g £ 1500 12
£ 20 | G 100 f|—=L21
= pm
§ e 50

[ ——— 0

0 5 10 15 20 0 5 10 15 20
frequency (GHz) frequency (GHz)
(a) (b)

) Conduct i
§ 10 _ Conductance 100 Capagltance i
2 —-G11 T
2 gH——o22 £ sof -
2 G12 a —©-C11
UE) 6 ——G21 / o 60 ——C22
8 4 Vdl 8 goll=-c12
§ 5 § ——C21
5] T o 20
3 | o o4 O
5 0 0
o o 5 10 15 20 0 5 10 15 20

frequency (GHz) frequency (GHz)

(© (d)

Fig. 8. RLGC parameters from calculation when the left-
side conductor is downwardly offset by 5 um. (a) Resis-
tance. (b) Inductance. (c) Conductance. (d) Capacitance.
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= ~—soo1 8

2 ~4—SDD21 2
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= 200 -

L 5 10 15 0 F 5 10 15 20
GHz GHz
(a) (b)

Fig. 9. Left-side conductor is downwardly offset by 5
um for a 1-m cable. (a) Spp. (b) Scp.

The copper conductors inside the cable are pro-
duced through a drawing process. During production,
variations in temperature and extrusion pressure can
cause changes in the conductor diameter, potentially
resulting in different diameters for the left and right
conductors.

As shown in Fig. 10, with current precision machin-
ery, the diameter difference can be controlled within
5 um. This is assuming both conductors are centered
with no positional offset.

Figure 11 shows that the RLGC parameters exhibit
noticeable differences and are no longer overlapping. In
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Insulator thickness a&b 0.3225mm
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ILoss tangent tans 0.001
[Foil thickness t 50pum
\Conductor material Copper

Fig. 10. Diameter difference of the copper conductor is
Ih—Ta =5 um.
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Fig. 11. RLGC parameters from the diameter differ-
ence of the copper conductor by 5 um. (a) Resistance.
(b) Inductance. (c) Conductance. (d) Capacitance.

Fig. 12, when calculating a 1-meter cable, the differ-
ential mode conversion S-parameter reaches —50 dB,
which is within acceptable range in the industry.

~e—SDD11
~+-SDD21

diffetential mode S parameter(dB)
2
3

mode conversion S parameter(dB)

5 10 15 20
GHz

(a)

Fig. 12. Diameter difference of the copper conductor by
5 um for a 1-m cable. (a) Spp. (b) Scp.

IConductor radius 0.1275mm
Insulator+Conductor r, |0.38625mm
Insulator+Conductor r, 0.39125mm
Dielectric constant g, 2.1

ILoss tangent tans 0.001

[Foil thickness t 50pm
\Conductor material Copper

Fig. 13. Difference in insulator thickness rp—1, = 5 um.
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Fig. 14. RLGC parameters from difference in insula-
tor thickness by 5 um. (a) Resistance. (b) Inductance.
(c) Conductance. (d) Capacitance.

Analyzing the thickness variation in the left and
right insulation layers, the insulation is primarily formed
through either physical or chemical foaming processes
followed by extrusion. Due to differences in ambient
temperature during production batches, variations in
thickness may occur. The thickness is related to capac-
itance, and stray capacitance in the cable can slow
down discharge rates, causing signal pulses to take
longer to rise to a recognizable voltage. As a result,
cables with lower capacitance exhibit more complete
pulse waveforms, leading to better signal transmission
performance. Additionally, the amount of air in the foam
dielectric is related to the dielectric constant. For this
discussion, we assume the dielectric constant is constant.
Assuming a low dielectric constant of 2.1 for foamed
EPE (expanded polypropylene), which is typically used
in high-speed cables, we studied the impact when both
conductors are the same size, but the insulation thickness
differs by 5 um, as shown in Fig. 13.

In Fig. 14, minimal resistance variation was
observed, along with lower capacitance values. In
Fig. 15, Scpi1 is observed at —50 dB, which is within
the acceptable range.

C. Impact from the skin effect

When the cable manufacturing process achieves
high symmetry, there remains a difference between the
measured and simulated insertion loss. Typically, after
10 GHz, the skin depth becomes very shallow, and
surface characteristics begin to affect signal loss. Signal
transmission might fall within the range of surface
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Fig. 15. Difference in insulator thickness by 5 um for a
1-m cable. (a) Spp. (b) Scp.

roughness, which could worsen standing waves and
reflections, elongating the signal path and increasing
loss. In practice, the demand for low insertion loss
copper continues to grow. In design, it is necessary to
establish more realistic models.

Commercial software typically uses standard for-
mulas to account for roughness, which represent a few
traditional methods. As shown in Fig. 16, the surface
features sharp peaks and valleys.

Fig. 16. Copper conductor surface under a microscope.
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Fig. 18. Surface roughness of different copper conduc-
tors in inductance. (a) 1.4 um. (b) 7.5 pum.
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Fig. 19. Surface roughness of different copper conduc-
tors in conductance. (a) 1.4 um. (b) 7.5 um.
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Fig. 17. The roughness of different copper conductors in
resistance. (a) 1.4 um. (b) 7.5 um.

The simulation adopts the Huray model, which
defines surface roughness by the number of spheres in
each hexagon and their arrangement. The actual rough-
ness value of the conductor can be calculated based on
the manufacturer’s parameters or measured data. Using
HVLP2 copper roughness of 1.4 um and STD copper
roughness of 7.5 um, we computed RLGC parameters.
Comparison results are shown in Figs. 17-20.

By observing the resistance parameters, it is evident
that the resistance changes with different surface rough-
ness levels. The higher the roughness, the greater the
resistance. For high-frequency signals, the roughness of

Fig. 20. Surface roughness of different copper conduc-
tors in capacitance. (a) 1.4 um. (b) 7.5 um.

the metal surface becomes a significant factor in signal
loss, as shown in Fig. 21. The impact on differential-
to-differential mode S-parameters (|Spp|) is significant,
while the impact on mode conversion S-parameters
(IScp)) is relatively minor, as illustrated in Fig. 22.
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Fig. 21. Differential mode S-parameter (Spp).

(a) 1.4 um. (b) 7.5 pm.
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Fig. 22. Mode conversion S-parameter (Scp).

(a) 1.4 um. (b) 7.5 um.

IV. MEASUREMENT RESULTS OF
TWINAX CABLE

We were unable to intentionally fabricate a worst-
case Twinax cable with a 5 um eccentric asymme-
try for the purpose of comparing measurement and
calculation results. Instead, we reverse-engineered the
cross-sectional dimensions of a randomly selected, real
Twinax cable from the production line. As shown
in Fig. 23, the measured dimensions and contours
were imported into the Ansys 2D extractor. Using
these reverse-engineered dimensions, we obtained the
S-parameters, calculated the RLGC parameters, and
derived the S-parameters for a Twinax cable sample.

Conductor radius a 0.38mm
b 0.31mm

Dielectric constant g, 2.1

Loss tangent tans 0.001

Foil thickness_t 0.025mm

Outer jacket 0.28mm

Conductor material Copper

Fig. 23. Cross-section of the Twinax cable.

Fig. 24. Device for 100-ohm cable measurement.

The sample was taken from a high-speed Twinax
cable commonly used in Al server systems, with an
original length of approximately 11 cm. An 8 cm section
was cut for measurement. To verify our method, we
compared the calculated results with VNA measure-
ments of the 8 cm Twinax cable. The experimental setup
is illustrated on Fig. 24.

Since direct measurement of the Twinax cable is
not possible, fixtures were added on both sides to enable
testing of the DUT. The measured S-parameters include
the characteristics of the fixtures. We used the 2X-thru
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de-embedding technique [20, 21] to obtain the DUT’s S-
parameters. The results show a good agreement between
the mixed-mode S-parameters calculated from the cross-

sectional dimensions and the measured results, as seen in
Fig. 25.

differential mode S parameter (dB)

.18F |~ SDD21-Measurement
4 5DD21 - By Calculation

5 10 15 20
GHz

(a)

—e— SDD11 - Measurement
—4- SDD11 - By Calculation
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50H
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Fig. 25. Calculation and measurement comparison of
8 cm cable. (a) Sppzi- (b) Sppii-

From these results, we can see that the cross-
sectional dimensional differences in Twinax cables are
a combination of various manufacturing tolerances. In
production, improving precision is essential to enhance
signal transmission quality.

V. CONCLUSION

In this paper, we propose a computational method
that extends the fundamental theory of odd and even
modes to calculate RLGC parameters and obtain the
S-parameters of asymmetric Twinax cables. We also
evaluate the impact of copper conductor surface rough-
ness on signal transmission. For transmission line losses,
we estimate resistance and conductance parameters.
Additionally, we examine mixed-mode S-parameters to
ensure product quality. A server cable was physically
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measured, reverse-engineered, and its cross-sectional
dimensions were compared with the S-parameters cal-
culated using our method. The results demonstrate a
strong agreement between the calculations and actual
measurements. This computational approach is highly
efficient and can be used to define future product stan-
dards. Our method addresses the time-consuming nature
of 3D full-wave simulations for longer cables, providing
the cable industry with an effective way to quickly assess
production quality.
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