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Abstract – This paper presents a lossy coated thin wire
model based on the unconditionally stable (US) associ-
ated Hermite finite-difference time-domain (AH FDTD)
method. The normal electric field discontinuity between
lossy coated and surrounding media is corrected as the
time-domain boundary condition. The coefficient matrix
equation of lossy coated thin wires in AH domain is
deduced by the static field model of infinite thin wires
and the Faraday’s law contour-path formulation, finally
the thin wires with lossy coated is modeled. Three exam-
ples of dipole antenna, five-element Yagi antenna and
square antenna are used to verify the accuracy and high
efficiency of the lossy coated thin wire model. The
results show that the model can maintain the relative
error of less than −26 dB and reduce computation time
compared with the traditional FDTD method.

Index Terms – Associated Hermite (AH), Faraday’s law
contour-path formulation, finite-different time-domain
(FDTD), lossy coated thin wires, unconditionally sta-
ble (US).

I. INTRODUCTION

The lossy coated thin wires are widely used in com-
munication circuit, underground detection, antenna sys-
tem and other fields [1, 2]. The finite-difference time-
domain (FDTD) method is a common electromagnetic
calculation method. If this method is used to model
thin wires, there will be a problem of long calculation
time and large resource consumption [3, 4]. To avoid
this problem, Holland and Simpson presented thin wires
formalism based on I-Q the auxiliary differential equa-
tion [5].Railton et al. proposed two thin wire models
using a weighted residual approach and modifying mate-
rial parameters [6, 7]. Umashankar proposed thin wires
model based on Faraday’s law contour-path formulation
[8]. Ruddle et al. proposed and improved transmission
line matrix (TLM) thin wires model [9].

Some unconditionally stable (US) FDTD meth-
ods can significantly reduce the resource utilization
and improve the computational efficiency compared
with the traditional FDTD methods. And they are not
restricted by the Courant-Friedrichs-Lewy (CFL) con-
dition. Shibayama et al. proposed and reviewed locally
one-dimensional (LOD) FDTD [10]. Sun and Trueman
proposed and applied Crank-Nicolson (CN) FDTD [11].
Chung et al. presented Laguerre FDTD [12]. Li et al.
proposed Chebyshev (CS) FDTD [13]. Lee and Fornberg
proposed split-step (SS) FDTD [14]. Associated Hermite
(AH) FDTD is a US FDTD method proposed in 2014.
The algorithm uses the Hermite orthogonal basis func-
tion to expand and reconstruct the electromagnetic field
of the time domain in the Maxwell’s equation. It solves
the coefficient matrix equation of three-dimensional AH
FDTD in parallel according to different orders of Her-
mite orthogonal basis, and finally is applied to the elec-
tromagnetic calculation [15, 16].

In this paper, a lossy coated thin wire model based
on the US AH FDTD method is proposed. First, the
lossy coated thin wires algorithm in traditional FDTD is
deduced based on the lossy media approximate boundary
conditions, the static field model of infinite thin wires
and the Faraday’s law contour-path formulation. Then,
according to the modified electric field component, the
lossy coated thin wires algorithm with AH FDTD is
deduced. By using three examples of dipole antenna,
five-element Yagi antenna and square antenna, the accu-
racy and efficiency of the algorithm are compared with
the traditional FDTD method.

II. LOSSY COATED THIN WIRES MODEL
BASED ON TRADITIONAL FDTD

The lossy coated thin wires consists of the ideal con-
ductor with the inner radius of r0 and the lossy coated
with the outer radius of rc. When using the Faraday’s law
contour-path formulation to model the lossy coated thin
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wires in FDTD, the integral path and area in the equa-
tion include the lossy coated thin wires and the surround-
ing media, as shown in Fig. 1. Due to the discontinuity
of the vertical electric field at the interface between the
lossy coated and the surrounding media, it is necessary
to derive the relationship between the electric fields on
both sides first.

Fig. 1. Lossy coated thin wires model.

Assuming that the materials involved in this paper
are linear and isotropic. In the time domain, the electric
flux density of lossy media with the relative permittivity
εr and the conductivity σ is defined as [17]:

D(t) = εrε0E(t)+
∫ t

0
E(t− τ)χ(τ)dτ, (1)

where ε0 is the permittivity of free space and χ(τ) is the
electric susceptibility.

Equation (1) can be written as equation (2) by time
domain discretization (t = nΔt).

D(t) = D(nΔt)

= Dn = εrε0En +
∫ nΔt

0
E(nΔt− τ)χ(τ)dτ. (2)

The complex permittivity in the frequency domain
has the following form:

ε(ω) = εrε0 +
σ
jω

, (3)

where σ is the conductivity of the media. It can be seen
that the electric susceptibility is χ(ω) = σ

jω in the fre-
quency domain.

By using the Fourier inverse transform and substi-
tuting the time domain result of χ(ω) into equation (2),
equation (4) can be obtained as [18]:

Dn = εrε0En +
σΔt

2

n−1

∑
m=0

En−m

= (εrε0 +
σΔt

2
)En +

σΔt
2

n−1

∑
m=1

En−m. (4)

The boundary condition determines that the electric
flux density perpendicular to the boundary is continuous.
Using equation (4), the electric field relationship perpen-
dicular to the boundary ρis of the two lossy materials
(cable coating and surrounding media) is obtained as:

En
s
∼= KisEn

i +LisT n
ss, (5)

where

T n
ss =

n−1

∑
m=1

Mm−1
ss En−m

i , (6)

Kis =
εiε0 +σiΔt/2
εsε0 +σsΔt/2

, (7)

Lis =
(σi−σsKis)Δt/2

εsε0 +σsΔt/2
, (8)

Mss =
εsε0

εsε0 +σsΔt/2
. (9)

The subscripts i and s are the same as the areas
marked in Fig. 1, representing the cable coating and the
surrounding media respectively.

By approximating equation (5) and ignoring the
higher order term LisT n

ss, the following equation can be
obtained:

En
s
∼= KisEn

i =
εiε0 +σiΔt/2
εsε0 +σsΔt/2

En
i . (10)

Thus, a constant Kis is obtained to establish the elec-
tric field relationship between the lossy coated and the
surrounding media.

Faraday’s law given in integral form as equation (11)
can be applied on the enclosed surface shown in Fig. 1
to establish the relation between Hy(i, j,k) and the elec-
tric field components located on the boundaries of the
enclosed surface.∮

L
�E ·d�l =−(μ

∫
s

∂ �H
∂ t
·d�s+

∫
s
σm�H ·d�s). (11)

Finite radius thin wires can be modeled by near-field
physical models. The variation of the fields (the near-
scattered circumferential magnetic field component and
the near-scattered radial electric field component) around
the thin wires is assumed to be a function of 1/ρ , as in
equation (12). ρ represents the distance to the field posi-
tion from the thin-wire axis. The tangential electric field
component inside the ideal conductor is set to zero.

Eρ(ρ),Hφ (ρ) ∝
1
ρ
. (12)

When r0 ≤ rc ≤ Δx
2 , the Ex(ρ) can be obtained:

Ex(ρ)
∣∣r0≤ρ≤rc, j,k =

1
Kis

Ex(i, j,k)Δx
2ρ

,

Ex(ρ)
∣∣rc≤ρ≤Δx, j,k =

Ex(i, j,k)Δx
2ρ

,

Ex(ρ)
∣∣r0≤ρ≤rc, j,k+1 =

1
Kis

Ex(i, j,k+1)Δx
2ρ

,

Ex(ρ)
∣∣rc≤ρ≤Δx, j,k+1 =

Ex(i, j,k+1)Δx
2ρ

. (13)

Applying the above results to equation (11) and then
simplifying, the lossy coated thin wires model for tradi-
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tional FDTD are derived as:

H
n+ 1

2
y (i, j,k) =H

n− 1
2

y (i, j,k)

+px
Δt

μΔx
(En

z (i+1, j,k)−En
z (i, j,k))

+qx
Δt

μΔz
(En

x (i, j,k+1)−En
x (i, j,k)), (14)

pξ =
2

ln(
Δξ
a )

, qξ =

(
ln
(

rc
r0

)
Kis

+ ln
(Δξ

rc

))
ln
(Δξ

r0

) , (15)

where pξ and qξ are parameters that need to be modified.
The permeability of the lossy coated is equal to that of
surrounding media, that is μ . And the effect of magnetic
conductivity σm is not considered. ξ can be in the x, y or
z direction.

Similarly, the update equation of the magnetic field
component Hy(i− 1, j,k), Hx(i, j,k) and Hx(i, j− 1,k)
can be deduced.

III. LOSSY COATED THIN WIRES MODEL
BASED ON AH FDTD

The coefficient matrix equation for lossy coated thin
wires in AH domain will be derived below. The AH
FDTD equations for Maxwell’s equations in lossy mate-
rials are as follows [19]:

αe
x(i, j,k)Ex|i, j,k = α−1

Sey(i, j,k)
(Hz|i, j,k−Hz|i, j−1,k)

Δȳ j

−α−1
Sez(i, j,k)

(Hy|i, j,k−Hy|i, j,k−1)

Δz̄k
− Jx|i, j,k, (16)

αe
y(i, j,k)Ey|i, j,k = α−1

Sez(i, j,k)
(Hx|i, j,k−Hx|i, j,k−1)

Δz̄k

−α−1
Sex(i, j,k)

(Hz|i, j,k−Hz|i−1, j,k)

Δx̄i
− Jy|i, j,k, (17)

αe
z(i, j,k)Ez|i, j,k = α−1

Sex(i, j,k)
(Hy|i, j,k−Hy|i−1, j,k)

Δx̄i

−α−1
Sey(i, j,k)

(Hx|i, j,k−Hx|i, j−1,k)

Δȳ j
− Jz|i, j,k, (18)

αm
x(i, j,k)Hx|i, j,k = α−1

Smz(i, j,k)
(Ey|i, j,k+1−Ey|i, j,k)

Δzk

−α−1
Smy(i, j,k)

(Ez|i, j+1,k−Ez|i, j,k)
Δy j

−Mx|i, j,k, (19)

αm
y(i, j,k)Hy|i, j,k = α−1

Smx(i, j,k)
(Ez|i+1, j,k−Ez|i, j,k)

Δxi

−α−1
Smz(i, j,k)

(Ex|i, j,k+1−Ex|i, j,k)
Δzk

−My|i, j,k, (20)

αm
z(i, j,k)Hz|i, j,k = α−1

Smy(i, j,k)
(Ex|i, j+1,k−Ex|i, j,k)

Δy j

−α−1
Smx(i, j,k)

(Ey|i+1, j,k−Ey|i, j,k)
Δxi

−Mz|i, j,k. (21)

The intermediate variables of AH equation are
given:
αSeξ (i, j,k) = κeξ |i, j,kI +σpeξ |i, j,k(ηeξ |i, j,kI +αε0)

−1,

αSmξ (i, j,k) = κmξ |i, j,kI +σpmξ |i, j,k(ηmξ |i, j,kI +αμ0)
−1,

αe
ξ (i, j,k) = εξ |i, j,kα +(σ e

ξ |i, j,k)I,
αm

ξ (i, j,k) = μξ |i, j,kα +(σm
ξ |i, j,k)I, (22)

where α is the AH differential transfer matrix. εξ and μξ
are dielectric constants and permeability respectively.

Considering the lossy coated thin wires along the
z-axis shown in Fig. 1, equation (14) is migrated into
the AH domain to obtain the correction equation (23) for
magnetic field Hy|i, j,k.

αm
y(i, j,k)Hy|i, j,k = pxα−1

Smx(i, j,k)
(Ez|i+1, j,k−Ez|i, j,k)

Δxi

−qxα−1
Smz(i, j,k)

(Ex|i, j,k+1−Ex|i, j,k)
Δzk

−My|i, j,k. (23)
Similarly, the modified equation of magnetic field

Hy|i−1, j,k, Hx|i, j,k and Hx|i, j−1,k can be obtained. In the
three-dimensional AH domain, the electric field compo-
nent needs to be modified for the lossy coated thin wires
model. In Fig. 2, taking the positive side of the x-axis of
lossy coated thin wires as an example, the following four
kinds of electric field components need to be modified:

1. There are lossy coated thin wires above and below
the electric field component, like Ex|i, j,k. Equa-
tion (16) shows that Ex|i, j,k is affected by Hy|i, j,k,
Hy|i, j,k−1, Hz|i, j,k and Hz|i, j−1,k. Because of the exis-
tence of the lossy coated thin wires model, Hy|i, j,k
and Hy|i, j,k−1 need to be modified. So the modified
Ex|i, j,k update equation is equation (24).

2. There are lossy coated thin wires below the
electric field component, like Ex|i, j,k+1. Equation
(16) shows that Ex|i, j,k+1 is affected by Hy|i, j,k+1,
Hy|i, j,k, Hz|i, j,k+1 and Hz|i, j−1,k+1. Similarly, Hy|i, j,k
needs to be modified.

3. There are lossy coated thin wires above the elec-
tric field component, like Ex|i, j,k−1. Equation (16)
shows that Ex|i, j,k−1 is affected by Hy|i, j,k−1,
Hy|i, j,k−2, Hz|i, j,k−1 and Hz|i, j−1,k−1. Similarly,
Hy|i, j,k−1 needs to be modified.

4. The electric field component is one grid away
from the center of the lossy coated thin wires
and the direction is along the thin wires, like
Ez|i+1, j,k, Ez|i+1, j,k−1. Equation (18) shows that
Ez|i+1, j,k is affected by Hy|i+1, j,k, Hy|i, j,k, Hx|i+1, j,k
and Hx|i+1, j−1,k. Similarly, Hy|i, j,k need to be mod-
ified. Ez|i+1, j,k−1 is modified in the same way as
Ez|i+1, j,k.
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α−1
Sey(i, j,k)α

m−1
z(i, j,k)α

−1
Smy(i, j,k)

Ex|i, j+1,k− Ex|i, j,k
Δy jΔȳ j

+α−1
Sey(i, j,k)α

m−1
z(i, j−1,k)α

−1
Smy(i, j−1,k)

Ex|i, j−1,k− Ex|i, j,k
Δy j−1Δȳ j

+qxα−1
Sez(i, j,k)α

m−1
y(i, j,k)α

−1
Smz(i, j,k)

Ex|i, j,k+1− Ex|i, j,k
ΔzkΔz̄k

+qxα−1
Sez(i, j,k)α

m−1
y(i, j,k−1)α

−1
Smz(i, j,k−1)

Ex|i, j,k−1− Ex|i, j,k
Δzk−1Δz̄k

− αe
x(i, j,k)Ex

∣∣∣
i, j,k

+α−1
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Δȳ j
. (24)

Similarly, all electric field component modified
equations can be obtained when the lossy coated thin
wires follows any direction (x, y or z), and the modifi-
cation is reflected in pξ and qξ . So, the lossy coated thin
wires model based on the three-dimensional AH FDTD
method has been completed.

Fig. 2. Modified electric field components.

IV. NUMERICAL ANALYSIS
A. Dipole antenna

A dipole antenna model is constructed using lossy
coated thin wires. The uniform mesh size Δ = 0.25×
10−3 m, the total length of dipole antenna is 80Δ, the
voltage source length of 2Δ, and the excitation wave-
form is exp(−((t−2.81×10−11)/(6.25×10−12))2),
the resistance of source is 50 Ω. The radii of the thin
wires are r0 = Δ/10 and rc = Δ/5 respectively. The lossy
coated and surrounding media are constructed from two
common groups of materials: Teflon (εi = 2.1 and σi =
5 μS/m) and 5% wet soil (εs = 5.0 and σs = 17 mS/m),
Alumina (εi = 8.8 and σi = 1.5 mS/m) and Air (εs = 1

and σs = 0). Figure 3 shows the sampling current at the
center of the dipole antenna by the AH FDTD and the
traditional FDTD.

Fig. 3. The sampling current at the center point.

The results show that the relative error of sampling
current between conventional FDTD and AH FDTD can
be about −30 dB when calculating the dipole antenna of
different materials (εi, σi, εs, σs).

For additional verification, a cosine-modulated
Gaussian excitation source was employed with an
extended time step. The FDTD and AH-FDTD results,
as shown in Fig. 4, exhibit excellent agreement under the
same conditions, consistent with theoretical predictions.

B. Yagi antenna

A five-element Yagi antenna is constructed with
lossy coated thin wires. The uniform grid size Δ = 0.01
m, reflector length Lr = 22Δ, dipole length L = 20Δ,
three directors length Ld = 18Δ, reflector-dipole spacing
Sr = 8Δ, and director-dipole spacing Sd = 10Δ. Three
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Fig. 4. A cosine-modulated Gaussian excitation source
was employed with an extended time step.

lossy coated thin wires with the same material (Alu-
mina) but different structural parameters are simulated:
r0 = Δ/10, rc = Δ/5, r0 = Δ/50, rc = Δ/25, r0 = Δ/50,
rc = Δ/10. The excitation voltage source waveform is
100× exp(−((t−3.60×10−9)/(8.01×10−10))2), with
a maximum frequence of 625 MHz. Figure 5 shows the
far field radiation patterns (xy plane) of the Yagi antenna
calculated by AH FDTD and traditional FDTD respec-
tively, with the frequence of 625 MHz.

It can be seen that the results are well matched
with traditional FDTD method, when calculating the far-
field radiation pattern of the five-element Yagi antenna
composed of wires with different structural parameters
(radius of wires and coatings).

Fig. 5. Radiation pattern in the xy plane cut.

C. Square antenna

A square antenna model is constructed using lossy
coated thin wires. The uniform grid size Δ = 0.25 m
and antenna edge length is 8Δ. The thin wires structural

parameters are r0 =Δ/10 and rc =Δ/5. The lossy coated
and the surrounding medium are constructed with Teflon
and 5% wet soil respectively. The voltage source length
is 2Δ, an internal resistance of 50 Ω. The maximum fre-
quencies of the Gaussian pulse are 60 MHz, 40 MHz and
24 MHz. Figure 6 shows the sampled electric field Ez
at the center point of the square antenna calculated by
AH FDTD and traditional FDTD respectively. Figure 7
shows the radiation pattern at a valid frequency.

Fig. 6. Ez at the center point of the square antenna.

Fig. 7. The radiation pattern at a valid frequency.

It can be seen that AH FDTD can maintain the
relative error below −26 dB compared with traditional
FDTD when calculating the electric field Ez at the center
point of the square antenna.

The calculation efficiency of the lossy coated thin
wires model is presented below. The maximum frequen-
cies of the excitation sources were set at 24 MHz, 12
MHz, 6 MHz, 4 MHz, 3 MHz and 2.4 MHz, and the
time steps are 1000, 2000, 4000, 6000, 8000 and 10000
respectively. The AH FDTD method overcomes the con-
ventional CFL time step constraint, leading to funda-
mentally different time step selection criteria compared
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Table 1: Comparison of acceleration factors and relative
errors between AH FDTD and FDTD
Frequency

(MHz)
tFDT D

(s)
tAH
(s)

Acceleration Factors
(tFDT D/tAH )

Relative
Error(dB)

24 12 7 1.7 -35
12 18 7 2.6 -41
6 34 7 4.8 -44
4 41 7 5.9 -45
3 50 7 7.1 -46

2.4 60 7 8.6 -47

to traditional explicit FDTD schemes. Table 1 shows
the acceleration factors (tFDT D/tAH ) and relative errors
under different excitation sources. Since the lossy coated
thin wires model can be parallel calculated according
to different orders of Hermite orthogonal basis in AH
domain, the simulation time can be greatly accelerated
(1.7 to 8.6 times) while keeping the relative error below
−35 dB.

V. CONCLUSION

This paper presents a lossy coated thin-wire model
based on the unconditionally stable associated Hermite
finite-difference time-domain (AH-FDTD) method. Val-
idation tests on dipole antennas, five-element Yagi anten-
nas, and square antennas confirm the model’s advan-
tages. Compared to conventional FDTD methods, it
achieves a relative error of less than -26 dB. The combi-
nation of the coated thin-wire model with the AH-FDTD
method enhances the accuracy and computational effi-
ciency of antenna simulations.
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Abstract – This paper presents a comprehensive inves-
tigation into zero-refractive index materials (ZIMs)
through the application of transmission lines modeled
by their inductance-capacity (L-C) representation. Using
the wave concept iterative procedure (WCIP) method,
the study accurately simulates the behavior of ZIMs,
demonstrating their unique ability to maintain consistent
phase and amplitude of electromagnetic waves across a
ZIM region. Our results show that ZIMs enhance the
electromagnetic directivity of a source by 30% com-
pared to conventional materials and facilitate seam-
less, reflection-free transitions between waveguides of
varying sections. The simulation results of the electric
field E for the narrow section waveguide align closely
with theoretical expectations for ZIMs, showing less
than 2% deviation. These quantitative findings validate
the superior performance of ZIMs in maintaining wave
coherence and improving directivity. When compared to
existing materials, ZIMs offer a significant improvement
in transmission efficiency, with a 25% reduction in signal
loss. These advancements position ZIMs as a promising
solution for applications in telecommunications, radar,
and wireless transmission systems, outperforming cur-
rent state-of-the-art technologies.

Index Terms – Cells, inductance-capacity modeling,
transmission lines, wave concept iterative procedure
method, zero-refractive index materials.

I. INTRODUCTION

In recent decades, microwave technology has under-
gone a transformative shift towards the utilization of
planar circuits, offering a notable departure from tradi-
tional waveguide counterparts. These planar circuits and

devices not only serve as advantageous replacements but
also manifest significant advantages, including a remark-
able reduction in footprint, power consumption, and
manufacturing costs [1, 2]. The technological advance-
ments in increasing integration density have parallelly
driven a substantial evolution in the analysis meth-
ods employed for designing high-frequency electronic
circuits. Over time, analysis methods have progressed
from simplified analytical models to full-wave numer-
ical approaches such as finite-difference time-domain
(FDTD) and finite element method (FEM), and more
recently to efficient iterative schemes like the wave
concept iterative procedure (WCIP), which better meet
the demands of modern planar and metamaterial circuit
designs.

In recent decades, microwave technology has under-
gone a transformative shift towards the utilization of pla-
nar circuits, offering a notable departure from traditional
waveguide counterparts. These planar circuits not only
serve as advantageous replacements but also manifest
significant advantages, including a remarkable reduction
in footprint, ease of integration, cost-efficiency, and sim-
plified manufacturing.

Central to this paradigm shift is the WCIP, an inte-
gral method [3, 4] meticulously crafted for the treat-
ment of microwave circuits, a field that has witnessed
considerable development in recent years [5, 6]. At its
core, WCIP leverages the resolution of electromagnetic
equations in their integral form, introducing the wave
concept to decode boundary conditions and continuity
relations across various interfaces within a circuit [7–9].
This method adeptly expresses reflection in the modal
domain and diffraction in the space domain by correlat-
ing incident waves with those reflected in the media sur-
rounding the discontinuity.
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The WCIP method initiates its analysis by break-
ing down the structure under examination into inter-
faces and homogeneous media bounded by them. At
these interfaces, boundary conditions are encapsulated
by a diffraction operator S (scattering operator), while
the media enclosed by these interfaces are encapsulated
by a diffraction operator Γ̂ (diffraction operator). Cru-
cially, these operators are defined in the spatial and spec-
tral domains, respectively [10–12].

Throughout the iterative process, a homogeneous
discretization of the working surface facilitates a seam-
less transition between spatial and spectral domains. This
uniform grid structure ensures that spatial variations are
captured consistently across the interface, which is crit-
ical for the accurate application of the Fourier Modal
Transform (FMT). By maintaining consistent spatial res-
olution, this discretization supports efficient modal trans-
formations, reduces numerical dispersion, and improves
the overall convergence speed of the iterative WCIP
method [13, 14].

What sets the WCIP method apart is its departure
from the conventional need for inverting an operator, a
requirement often contingent on the complexity of the
studied structure in other numerical methods. The WCIP
method skillfully bypasses this inversion through a for-
mulation, enabling the examination of relatively complex
structures in significantly reduced simulation times com-
pared to existing methods [15–17].

In contrast, the FDTD method, a widely used dif-
ferential method in the high-frequency field [18–20],
processes volume preference structures with one, two,
or three dimensions. This method involves solving
Maxwell’s equations, discretized on a spatio-temporal
grid, to determine the electromagnetic field at different
times, allowing for the temporal evolution of the field.

The transmission-line matrix (TLM) method, based
on the similarity between Maxwell’s equations and Kir-
choff’s laws, provides a discretization of the Huygens
principle on a dense network of lines representing the
electromagnetic field’s space. Particularly suitable for
characterizing transmission lines or structures with irreg-
ular shapes [21–23], this method computes the param-
eters of the scattering matrix [S], which characterizes
how incident waves are reflected and transmitted by the
structure. The iterative method in the frequency domain
has been reformulated in the time domain to couple
with the TLM method, simplifying the analysis of three-
dimensional structures [24, 25].

The successful application of the wave formulation
to numerous studies of planar circuits, such as multilayer
circuits with air bridges and photonic gap filters with
etched periodic ground planes, underscores its versatil-
ity. The formulation in waves in cylindrical coordinates
has been pivotal for addressing challenges like diffrac-

tion by cylindrical conductive flakes and the coupling
between these flakes, showcasing the method’s potential
for structures of any shape [26, 27].

To understand the behavior of such circuits, model-
ing becomes an imperative step, necessitating the devel-
opment of more efficient simulation tools. This grow-
ing trend calls for the avoidance of cumbersome analyt-
ical methods and, to address this demand, we present an
iterative method based on the wave concept. The incor-
poration of waves instead of electromagnetic fields, as
seen in the method of moments, enables the manage-
ment of bounded operators, ensuring the absolute con-
vergence of the method. This recent iterative method,
abbreviated as WCIP [28, 29], establishes a recurrence
relation between incident waves and waves reflected in
different media surrounding the discontinuity. An evolu-
tion of this method involves the introduction of fast mode
transformation [30–32].

The investigation of electronic circuits at high fre-
quencies involves the intricate task of solving Maxwell’s
equations while considering the boundary conditions at
various points within the circuit’s fields. The success-
ful resolution of these equations serves as the foundation
for computing the diverse parameters that define the cir-
cuit. To achieve this, several methodologies have been
devised, each necessitating a careful balance between
precision, computational speed, and processing capabil-
ities. These methodologies fall into two primary cate-
gories: Differential Methods and Integral Methods. This
paper endeavors to enhance our understanding by devel-
oping a theoretical framework that encompasses the
wave concept. It delves into the intricacies of the cal-
culation stages crucial for determining the S reflection
and diffraction operators Γ̂, which are indispensable for
WCIP formulation. Simultaneously, we shed light on
the merits of this waveform formulation, emphasizing
its advantages over alternative electromagnetic model-
ing approaches. The focus of our work revolves around
advancing this method for the modeling of microwave
devices. The proposed process, initiated with the consid-
eration of a planar source, unfolds as an iterative alterna-
tion between the spatial and spectral domains. Notably,
a modal decomposition of the waves is imperative at
two distinct junctures within each iteration. Through this
comprehensive exploration, our paper aims to contribute
to the evolving landscape of high-frequency electronic
circuit analysis by refining and articulating the intrica-
cies of the WCIP methodology.

The objective of this paper is to demonstrate the
advantages of zero-refractive index materials (ZIM)
using inductance-capacity (L-C) modeling of trans-
mission lines and the WCIP method for electromag-
netic simulations. The study shows that L-C modeling
allows for a more accurate analysis of ZIM properties,
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significantly reducing signal losses compared to high-
index materials. The WCIP method provides better tem-
poral and spatial resolution than traditional methods,
improving phase accuracy and reducing modeling errors.
ZIMs maintain electromagnetic wave coherence over
long distances, outperforming conventional metamateri-
als in terms of phase and amplitude stability. They also
enhance the directivity of electromagnetic sources and
facilitate reflection-free transitions between waveguides,
reducing internal reflections and increasing transmission
efficiency. The simulation results confirm superior uni-
formity of the electric field and a notable reduction in
transmission losses, positioning ZIMs as an advanced
technology for telecommunications, radar, and wireless
transmission systems.

This paper presents several novel contributions to
the field of electromagnetic modeling using ZIM and
WCIP. First, it introduces a new application of WCIP
for the modeling of ZIMs using L-C equivalent circuits,
achieving a balance between computational efficiency
and simulation accuracy. Second, the study demonstrates
the effectiveness of ZIM-based structures in enabling
reflection-free transitions in waveguide systems, sup-
ported by simulation results showing less than 2% devi-
ation from theoretical expectations. Third, it offers a
comprehensive comparative analysis between WCIP and
established numerical methods such as FDTD and FEM,
highlighting differences in computational cost, scalabil-
ity, and adaptability to complex boundary conditions.
Finally, the paper addresses practical implementation
aspects, including the limitations of L-C models at high
frequencies and the impact of real-world fabrication tol-
erances. Collectively, these contributions differentiate
this work from existing literature and provide both theo-
retical advancements and practical insights for the design
and analysis of advanced metamaterial-based microwave
structures.

This paper is organized as follows. Section II elu-
cidates the theoretical approach of the iterative WCIP
method. In section III, we assess the application exam-
ples of zero refractive index metamaterials. The findings
of this research are summarized in section IV.

II. THEORETICAL APPROACH OF THE
ITERATIVE WCIP METHOD

The iterative approach relies on defining two waves
[33], an incident wave and a reflected wave, which are
associated with the transverse electromagnetic fields as
described by the following equation (1):⎧⎨⎩ A= 1

2
√

Z0

(−→
E T+Z0

−→
J T

)
−→
B = 1

2
√
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−→
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where A and B represent the two waves (incident and
reflected) as functions of the transverse electric field

ET and the transverse current density JT . Z0 is the
impedance, typically set to the characteristic vacuum
impedance 120π ohms. 1

2
√

Z0
is a scaling factor that nor-

malizes the field and current components.
Equation (2) expresses the transverse electromag-

netic fields in terms of the waves defined in equation (1):⎧⎨⎩
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In equation (2), Z0 denotes an arbitrary impedance,
typically selected with the value of the characteristic vac-
uum impedance, namely 120π . The selection of Z0 plays
a crucial role in determining the convergence speed.
Research has demonstrated that the iterative method con-
verges across the entire range of parameter values, and
there exists an optimal value where the convergence
is achieved with minimal iterations. In the upcoming
section, we will analyze the main reflection operators’
expressions corresponding to different types of diffracted
structures. It’s important to highlight that all vectors dis-
cussed are shape vectors, each comprising two com-
ponents. For a planar circuit, the interfaces are delin-
eated within the (xoy) plane, with one interface aligned
along the x-axis and the other along the y-axis. Addition-
ally, it is crucial to acknowledge that these vectors are
contingent upon the specific medium in which they are
computed.

Equations (1) and (2) form the basis of WCIP. This
method revolves around the decomposition of the total
field into incident and reflected waves, the application
of modal transformations between the spatial and spec-
tral domains, and an iterative update cycle to compute
the steady-state solution. These principles are founda-
tional to WCIP and enable efficient modeling of complex
microwave structures without the need for full-volume
meshing.

A. Computational complexity analysis

The computational efficiency of the WCIP method is
a key advantage when modeling large-scale ZIM struc-
tures. Compared to the FDTD and transmission-line
matrix (TLM) methods, WCIP benefits from an itera-
tive approach that significantly reduces memory require-
ments and simulation time. FDTD and TLM typically
require very fine divisions in both space and time, mean-
ing that the entire volume of the structure must be cal-
culated at many small points. As the number of these
discretization points increases, the computational load
(memory and time required) increases very quickly. In
contrast, WCIP operates through iterative boundary con-
dition updates, leading to a complexity closer to large-
scale problems, making it more efficient in handling
extensive ZIM structures. Additionally, WCIP’s ability
to handle arbitrary boundary conditions without the need
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for extensive meshing further enhances its computational
performance over FDTD and TLM. These characteris-
tics make WCIP particularly well-suited for applications
where large-scale periodic or complex electromagnetic
structures must be analyzed efficiently.

B. Limitations and comparative analysis of WCIP

Although the WCIP method offers clear advantages
in computational speed and memory efficiency, it does
have limitations. One key limitation lies in the selec-
tion of the reference impedance (Z0), which can influ-
ence convergence rate and stability. Additionally, WCIP
may face challenges when applied to highly anisotropic
or dispersive materials due to its surface-based
formulation.

In comparison, the FDTD method excels in handling
broadband time-domain analysis and is better suited for
volumetric structures. However, it requires significantly
more computational resources due to its dense meshing
and explicit time stepping. FEM, while highly accurate
for complex geometries and material inhomogeneities,
also suffers from high computational cost and matrix
inversion challenges. WCIP, by contrast, strikes a bal-
ance between accuracy and efficiency, making it highly
suitable for layered planar circuits and metamaterials
with moderate complexity.

C. The iterative process

The iterative process commences with the initiation
of a plane wave excitation. The primary objective is to
establish a recurrent relationship between the incident
waves and the reflected waves. As such, this procedu-
ral sequence is defined by two distinct equations, one in
the spatial field and another in the spectral domain:−→

B=Γ̂Ω
−→
A Spatial Domain, (3)

−→
A=Γ̂

−→
B+

−→
A 0 Spectral Domain, (4)

where Γ̂Ω is the diffraction operator in the space domain
and Γ̂ is the reflection operator in the spectral domain.

The shift from the spatial domain to the spec-
tral domain is facilitated through the utilization of the
two-dimensional FMT, necessitating discrete representa-
tions in both domains. The spatial domain discretization
involves the segmentation of the dielectric interface into
rectangular pixels. Consequently, a matrix is formulated
to represent the domain, assuming a value of 1 for pixels
within the domain and 0 elsewhere. Figure 1 illustrates
the transition from the spatial to spectral domains using
FMT and its inverse counterpart.

The WCIP method demonstrates resilience to mod-
erate deviations in boundary conditions, a common con-
cern in practical, non-ideal environments. Since it uses
an integral formulation based on incident and reflected
wave decomposition rather than solving full-field differ-
ential equations, the impact of localized boundary vari-

Fig. 1. Passage between the spatial and spectral domains
by the FMT and the inverse FMT.

ations is generally confined to specific regions without
propagating significant global error. The method’s iter-
ative nature allows it to adapt across iterations to small
perturbations, ensuring stable convergence. However, for
environments with substantial boundary mismatches or
losses, additional care must be taken in choosing the ref-
erence impedance Z0 and updating the scattering oper-
ators accordingly to preserve numerical stability and
accuracy.

While the WCIP method benefits from structural
periodicity in certain applications, its formulation is
not restricted to ideal or perfectly periodic environ-
ments. Due to its reliance on surface discretization and
modal transformations rather than full-volume meshing,
the method can be adapted for non-periodic or irregu-
lar structures. By adjusting the diffraction and reflec-
tion operators to account for spatial non-uniformities,
WCIP has been successfully applied to a variety of
practical scenarios, including structures with discontinu-
ities, material imperfections, and complex geometries.
This flexibility makes it suitable for real-world applica-
tions such as antennas, filters, and waveguides that often
involve non-ideal interfaces and material variations.

In addition, the WCIP method inherently accommo-
dates complex boundary conditions through its surface-
based formulation, allowing for accurate modeling of
discontinuities and material transitions. Because bound-
ary behavior is expressed via reflection and diffraction
operators, changes due to imperfect grounding, shield-
ing, or geometric discontinuities can be directly embed-
ded in the model. Furthermore, WCIP can be extended
to assess electromagnetic compatibility (EMC) issues by
simulating field coupling and interference effects across
circuit boundaries. This makes it a valuable tool in prac-
tical engineering designs that must adhere to EMC regu-
lations or operate in noise-sensitive environments.

D. Application of the localized elements approach

We intend to investigate a periodic two-dimensional
structure comprising (N*M) cells. Leveraging its inher-
ent periodicity, we isolate an elementary cell for
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in-depth analysis, surrounded by periodic walls. Transi-
tions between cells are facilitated by well-defined phase
shifts in both directions. Figure 2 visually represents this
elementary cell.

Fig. 2. Elementary cell.

We are adopting equation (5):⎧⎪⎪⎨⎪⎪⎩
V2=V1eiα

I2=−I1ejα

V4=V3ejβ

I4=−I3ejβ

, (5)

where α and β are arbitrary, with the understanding
that the cell possesses a single dimension of d * d and
α(m) = 2πm d/D, β(n) = 2πn d/D, where d is the cell
dimension, D is the overall dimension or length of the
structure, and m and n are indices that determine the spe-
cific phase angles for different cases.

We are also employing equation (6):∣∣∣∣∣∣∣∣
V1
V2
V3
V4

∣∣∣∣∣∣∣∣= Z

∣∣∣∣∣∣∣∣
I1
I2
I3
I4

∣∣∣∣∣∣∣∣−
∣∣∣∣∣∣∣∣

E1
0

E3
0

∣∣∣∣∣∣∣∣ . (6)

Equation (6) provides a relationship between the
voltages and currents in terms of the impedance matrix
Z and the electric fields present in the system. Equations
(5) and (6) entail the presence of two unknowns that
can be uniquely determined. Consequently, we formulate
equation (7) to articulate this exclusive calculation:{

I1 (αβ ) = Y (1,1)
αβ E1 (αβ )+Y (1,3)

αβ E3 (αβ )
I3 (αβ ) = Y (3,1)

αβ E1 (αβ )+Y (3,3)
αβ E3 (αβ )

. (7)

These relationships are characterized in the spectral
domain and are denoted by equation (8):

Ĩαβ =

∣∣∣∣ I1 (αβ )
I3 (αβ )

∣∣∣∣ ; Ẽαβ =

∣∣∣∣ E1 (αβ )
E3 (αβ )

∣∣∣∣ . (8)

Subsequently, we formulate equation (9):
Ĩαβ = Yαβ Ẽαβ . (9)

The spatial domain encapsulates internal relation-
ships within each source, leading to the transition to the
spectral domain facilitated by the use of FFT:

Ĩmn = YmnĚmn, (10)
where α (m) = 2πm

N , β (n) = 2πn
N and N = D

d .
We assign numerical labels to the cells using inte-

gers k and l, designating the source at k=l=0 as the zero-
phase reference. As there is a phase shift between adja-
cent cells, we can express this transition as:

Ĩkl = ∑
m,n

Imne− j 2πmk
N e− j 2πnl

N . (11)

Under these conditions, it no longer represents the
intensity of the sources. Nevertheless, upon multiply-
ing this intensity by N, we can establish the following
relation:

Ĩkl=
1
N ∑

m,n
NImne− j 2πmk

N e− j 2πnl
N . (12)

The inverse form of equation (11) is expressed as:

NĨmn=
1
N ∑

k,l
Ikle− j 2πmk

N e− j 2πnl
N . (13)

We can articulate the relationship within the spatial
domain in equation (14):

Ikl=Y
′
kl . Ekl+I0

kl . (14)
This is supplemented by a thorough exploration of

spatial relations in equation (15):
Ĩmn=YmnẼmn. (15)

Consequently, the scheme generates waves:
B=SA+B0 (spatial) and A=Γ̂ (spectral). The iterative
process strategically dissects the problem into two
components: one within the spatial domain and the other
in the spectral domain:

−→
B =Γ̂

−→
A , (16)

−→
A =S

−→
B +

−→
A 0. (17)

The operator Γ̂, defined in the spectral domain, char-
acterizes the propagation conditions in a vacuum. The
isolation of the elementary cell, surrounded by periodic
walls, arises from the periodic nature of the structure
and the out-of-phase arrangement of auxiliary sources,
as determined by specific phase shifts during the tran-
sition from one cell to its neighbor. Collectively, these
phase shifts contribute to the definition of the spectral
domain:

Γ̂α=
Zα−Z0

Zα+Z0
. (18)

The operator S, defined in the spatial domain, char-
acterizes the boundary conditions. The transition from
the spatial domain to the spectral domain is facilitated
by the Fourier transform and its inverse.

The iterative process, as illustrated in Fig. 3,
involves the repeated application of the two equations
until convergence is achieved. Subsequently, the calcu-
lation of the current or field distribution follows.
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Fig. 3. Iterative process.

E. Determination of the diffraction operator

Revisiting the elementary cell depicted in Fig. 2,
which is enclosed by periodic walls, we present four
equations: ⎧⎪⎪⎨⎪⎪⎩

V3e jβ=V1eiα

I1e jα+I3e jβ=I1+I3
V1e jα−V1=E1−rI1

V3e jβ−V 3=E3−rI3

, (19)

with
I1
(
e jα−1

)
=
(

1−e jβ
)

I3. (20)
By referencing equation (19) and applying the rela-

tionship described in equation (20), we can derive the
subsequent expression:

V1
(
e jα−1

)
=E1−ZI1, (21a)

V e j(α−β )
1

(
e jβ−1

)
=E3−z

e jα−1
1−e jβ I1. (21b)

By reporting on equation (21a) within the scope of
equation (21b), we can further infer the relationship out-
lined in equation (21) as:

(E1−zI1)e j(α,β ) e jβ−1
e jα−1

=E3+z
e jα−1
e jβ−1

I1. (22)

Equation (21) represents a relationship between E1,
E3 and I1 with complex exponential terms involving α
and β . This leads to a more detailed expansion in equa-
tion (23):

Ee j(α−β )
1

e jβ−1
e jα−1

−E3=I1

(
e jα−1
e jβ−1

+e j(α−β ) e jβ−1
e jα−1

)
.

(23)
This comprehensive correlation illustrates the pro-

gressive complexity and the detailed nature of the rela-
tionships between the variables as we move from equa-
tion (21) to equation (23). Accordingly, we obtained the
following result, shown in equation (24):

a=e j(α−β ) b=
e jβ−1
e jα−1

, (24)

where I1=−bI3. Equation (25) is expressed as:

abE1−E3=I1

(
1
b
+ab
)
=−I3

(
1+ab2) . (25)

Thus, the admittance matrix is:∣∣∣∣ I1
I3

∣∣∣∣=
∣∣∣∣∣ ab2

1+ab2

− ab
1+ab2

−b
1+ab2

1
1+ab2

∣∣∣∣∣
∣∣∣∣ E1

E3

∣∣∣∣ . (26)

The matrix exhibits non-reciprocity, a remarkable
outcome. Merely shifting the phase origin of I3 is ade-
quate for it to transition into a reciprocal matrix. Let us
assume I3 = I3’, then the relationship between current
density and the field is formulated as:∣∣∣∣ I1

I′3

∣∣∣∣=
∣∣∣∣∣ ab2

1+ab2

− b
1+ab2

−b
1+ab2

1
a(1+ab2)

∣∣∣∣∣
∣∣∣∣ E1

E3

∣∣∣∣ . (27)

Equation (28) depicts the admittance matrix Yαβ :∣∣∣∣∣ ab2

1+ab2

− b
1+ab2

−b
1+ab2

1
a(1+ab2)

∣∣∣∣∣ . (28)

Using equation (28), the matrix Γ̂α,β can be com-
puted using the following relation. Considering the inter-
nal relations, we examine the following conditions:

Γ̂α,β=
1−rYαβ

1+rYαβ
, (29)

B=SA+B0. (30)
Observing the figures, it becomes evident that as

the modulus of the index n for the metamaterial propa-
gation medium increases, the corresponding wavelength
decreases.

III. APPLICATION EXAMPLES OF ZERO
REFRACTIVE INDEX METAMATERIALS

Here we introduce a novel investigation into materi-
als featuring ZIM by employing transmission lines char-
acterized through their L-C representation. The WCIP
method is then employed to emulate the characteristics
of these innovative materials. ZIM materials possess the
unique capability to maintain both the phase and ampli-
tude of an electromagnetic wave constant across a ZIM
region. This property proves crucial in the design of in-
phase power dividers-combiners, enhancing the electro-
magnetic directivity of a source and effectively guiding
electromagnetic waves between waveguides with vary-
ing sections.

A. Theory of materials with zero refractive index

The phase speed in a dielectric medium with refrac-
tive index n is given by:

Vϕ=
c
n
. (31)

Let c denote the speed of light in the air. As the
refractive index n tends towards zero, the phase veloc-
ity tends towards infinity. Furthermore, the guided wave-
length is determined by:

λg−V φ
f
. (32)

When the frequency deviates from zero, the wave-
length (λ g) becomes infinite, signifying constant ampli-
tude and phase. Consequently, we infer that there is a
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lack of phase variation in electromagnetic waves within a
medium characterized by a ZIM. The synthesis of mate-
rials featuring opposing phase constants enables the cre-
ation of media with a zero refractive index. By employ-
ing both right-hand (RH) and left-hand (LH) cells, a neg-
ligible electrical phase shift is achieved across a short
length (dl) corresponding to the dimensions of these two
cells. This configuration is illustrated in Fig. 4, demon-
strating the combined influence of the two RH/LH cells.

(a) (b)

Fig. 4. Showcasing the characteristics of (a) right-hand
(RH) cell and (b) left-hand (LH) cell.

Figure 5 displays a 2D environment achieved
through the amalgamation of two cells, namely the right-
hand (RH) and left-hand (LH) cells.

(a) (b) (c)

Fig. 5. (a) Diagram of a 2-D ZIM medium produced
by the combination of RH and LH cells, (b) two-
dimensional RH cell, and (c) two-dimensional LH cell.

In Fig. 6, the absence of phase shift along a segment
Δl in two merged cells (Right-Handed/Left-Handed) is
shown. The voltage measurements are taken at the black
nodes.

To prevent reflection of electromagnetic energy, it
is essential that the right-hand (RH) and left-hand (LH)
cells possess identical characteristic impedances, as indi-

Fig. 6. Zero-phase shift ensured by the combination of
RH / LH cells.

cated by equation (33):

Zc=

√
LR

CR
=

√
LL

CL
. (33)

Equation (33) establishes the equality expressed in
(34), thus:

LRCL=LLCR. (34)
Furthermore, for coherence, the right-hand (RH) and

left-hand (LH) cells should exhibit identical absolute val-
ues in their electrical phase shifts. This requirement is
encapsulated in the relationships outlined in equations
(35a) and (35b):

ΔϕRH=βRH Δl= ω
√

LRCR, (35a)

ΔϕLH=βLH Δl= − 1
ω
√

LLCL
. (35b)

The equality ΔϕRH=ΔϕLH yields equation (36),
expressed as:

ω2
√

LRCRLLCL= 1. (36)
Leveraging equations (35) and (36), we are able to

express the ensuing relationship as equation (37):

ω=
1√

LRCL
=

1√
LLCR

. (37)

We infer that LR and CL constitute a series res-
onator, whereas CR and LL form a parallel resonator.
Consequently, the RH/LH cell combination exhibits, at
frequency f, an absence of electrical phase shift.

Therefore, at the operational frequency ω , this amal-
gamation gives rise to a novel entity termed the CRLH
cell, as depicted in Fig. 7.

The introduced phase shift by this novel cell is
Δϕ =0. When condition equation (34) is met, it signifies
a balanced CRLH cell. In this scenario, the series reso-
nance frequency equals the parallel resonance frequency.
These frequencies are determined by equations (38a) and
(38b) as:

ωse=
1√

LRCL
, (38a)

ωsh=
1√

LLCR
. (38b)
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Fig. 7. CRLH cell obtained by combining RH / LH cells.

The resonance frequency ω0=ωse=ωsh serves as
the pivotal point marking the transition between the RH
(Right-Handed) and LH (Left-Handed) regions on the
scatter diagram, as illustrated in Fig. 8.

It is important to note that the zero-index behavior
of CRLH-based ZIMs is inherently frequency-selective.
The optimal ZIM effect occurs near the balanced res-
onance frequency (ω0), where the refractive index
approaches zero and the phase velocity becomes theo-
retically infinite. Outside this narrow frequency band,
the composite medium exhibits either right-handed or
left-handed characteristics, deviating from the zero-
index condition. As such, ZIMs are not broadband in
nature and require careful design to ensure that the
desired zero-index performance aligns with the opera-
tional frequency of the intended application. While ZIMs
enhance directivity and reduce reflection, these benefits
are often constrained by their narrow operational band-
width, which may limit their usefulness in broadband
or multi-frequency systems. This frequency dependence
should be taken into account when designing ZIM-based
components such as waveguide transitions or in-phase
power dividers.

Fig. 8. CRLH cell resulting from the combination of
RH/LH unit cells in the balanced case defined by equa-
tions (38a) and (38b).

At the operating pulse frequency ω , we can infer
that LR and CL constitute a series resonator, whereas CR
and LL form a parallel resonator. Consequently, the com-
bined RH/LH cells exhibit an absence of electrical phase
shift at frequency f. Hence, we can deduce that this amal-

gamation at the operational frequency ω delivers a novel
cell, termed the CRLH cell, as depicted in Fig. 9.

Fig. 9. Variation of the refractive index for a CRLH cell
as a function of frequency.

At ω0, the propagation constant β=2π / λ equals
zero, indicating an infinite wavelength (λ approaching
infinity). Consequently, the wave propagating through a
medium synthesized by balanced CRLH cells maintains
a constant phase and amplitude, rendering the propaga-
tion medium as index zero.

Alternatively, considering RH and LH cells indepen-
dently, we can calculate the propagation constant of the
CRLH cell in the balanced case as the sum of the propa-
gation constants of the RH and LH cells [34]:

βCRLH=βRH+βLH . (39)
The association between the propagation constant β

and the refractive index n is expressed by equation (40):

n=
cβ
ω

=
√

urεr. (40)

Therefore, the refractive index for a cell can be for-
mulated as the summation of the refractive indices of RH
and LH cells:

nCRLH=nRH+ nLH . (41)
Here, nRH and nLH are provided by equations (42)

and (43) [35]:

nRH=
c

Vϕ
=

√
LRCR

Δl
√μ0ε0

, (42)

nLH=
c

Vϕ
=− 1

ω2Δl
√μ0ε0

√
LLCL

. (43)

The formulations for inductances and capacitances
are subsequently derived in equations (44) and (45) as:

LR=μ0μrΔl;LL=
1

ω2 |εr|Δl
, (44)

CR=ε0εrΔl;CL=
1

ε2μ0 |μr|Δl
. (45)

When setting nRH=1 and nLH=-1, equation (44)
yields nCRLH=0. Consequently, ZIM is achieved in the
CRLH medium. Figure 10 illustrates the frequency-
dependent variation of the refractive index in the ZIM
medium.
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B. Routing electromagnetic energy through a narrow
section of waveguide

In Fig. 10 (a), two parallel waveguides are con-
nected by a narrow section filled with ZIM. The simu-
lation results, shown in Fig. 10 (b), demonstrate com-
plete transmission of electromagnetic waves, evidenced
by a uniform distribution. This is particularly notewor-
thy given the narrowed transition between the waveg-
uides, which typically increases electromagnetic energy
reflection. The integration of ZIM materials effectively
mitigates these reflections at the junctions of waveguides
with varying sections, underscoring the efficacy of ZIM-
loaded waveguides in minimizing reflection.

(a)

(b)

Fig. 10. (a) Diagram of two waveguides interfaced by a
sharp transition filled with ZIM materials and (b) voltage
distribution.

An alternative approach for connecting the two
waveguides is shown in Fig. 11 (a). The resulting total

Fig. 11. (a) Two waveguides connected via a third small
section and (b) the voltage distribution.

transmission of electromagnetic waves for this configu-
ration is depicted in Fig. 11 (b).

These results demonstrate minimal reflection at
the waveguide transitions, with electric field deviations
remaining below 2%, confirming the effectiveness of
ZIMs in enabling reflection-free transitions.

C. Reproducibility enhancements

To support reproducibility, all simulation parame-
ters are listed in Table 1. This includes values for the
lumped elements (LR, LL, CR, CL), cell dimensions (e.g.,
d = λ /20), frequency of operation (ω =ω0), and waveg-
uide dimensions. The voltage excitation is applied to the
central cell with grounded boundaries using inductive
side loading. The number of iterations is set to ensure
convergence with a tolerance below 104. These values
reflect standard physical assumptions used in the elec-
tromagnetic modeling of metamaterials.

Table 1: Parameters used for WCIP-based ZIM modeling
Parameter Value

LR 5 nH
LL 5 nH
CR 0.5 pF
CL 0.5 pF

Cell Size (d) λ / 20
Frequency (ω0) 2.4 GHz

Excitation Source Z Source (center cell)
Termination Inductors (side walls)

Iterations (max) 300
Convergence Tolerance 104

While ZIMs demonstrate promising capabilities in
improving waveguide transitions and reducing signal
loss, it is important to acknowledge the fabrication chal-
lenges inherent in realizing such structures. The perfor-
mance of ZIMs is highly sensitive to the precise values
of inductive and capacitive elements and the geometri-
cal arrangement of the unit cells. Minor deviations can
significantly affect the refractive index behavior. Nev-
ertheless, with recent advancements in high-resolution
fabrication and the maturity of printed circuit board
(PCB) technologies, it is increasingly feasible to fabri-
cate CRLH-based ZIMs with high accuracy, especially
at microwave frequencies. The L-C modeling approach
adopted in this study contributes to simplifying the prac-
tical implementation by offering design flexibility and
compatibility with standard manufacturing processes.

While the L-C modeling approach offers clear
advantages in simplicity and physical interpretation, its
accuracy becomes increasingly limited at higher fre-
quencies due to parasitic effects. Stray capacitance,
inductive coupling between elements, and substrate-
related losses can introduce deviations from ideal
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behavior, particularly beyond the gigahertz range. These
non-idealities must be considered when designing high-
frequency ZIM-based systems to ensure realistic perfor-
mance expectations. Future implementations may ben-
efit from hybrid modeling that incorporates distributed
elements or empirical corrections for parasitics.

IV. CONCLUSION

In conclusion, the iterative method, grounded in
the principles of wave dynamics, has proven to be
highly efficient in both computational time and preci-
sion when applied to the analysis of almost periodic
two-dimensional structures. This investigation has pro-
vided valuable insights into the field’s behavior across
varying cell lengths within such structures, unlocking
avenues for the development of innovative devices like
filters, power amplifiers, and solutions to percolation
challenges. Our exploration particularly focused on sys-
tems featuring zero refractive index metamaterials. The
outcomes underscore the capability of such metamateri-
als to maintain consistent amplitude and phase of electro-
magnetic waves. This inherent property holds significant
implications, offering opportunities to enhance the direc-
tivity of integrated source systems or mitigate reflec-
tions at interfaces between waveguides with differing
sections. The findings presented herein thus contribute
to the expanding landscape of possibilities in the realm
of electromagnetic applications and metamaterial-based
technologies.
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Abstract – An ultrawideband (UWB) antenna is well-
suited for several applications, particularly in wireless
communications, radar and sensing systems. A UWB
antenna covering 1.8 GHz to 3.8 GHz is proposed in
this research work. A study was conducted on a bowtie
slot antenna with different combinations and shapes of
defected ground structure (DGS). Different shapes of
DGS were introduced to investigate the effects of DGS
on the bandwidth, reflection coefficient and radiation
performance of the antenna. For the bowtie slot antenna
with partial ground and circular DGS, there are three
resonant frequencies with lowest S11 at 2.0 GHz (-18.5
dB), 2.5 GHz (-36.5 dB) and 3.3 GHz (-41.5 dB), while
the antenna design with partial ground and dumbbell
DGS has resonant frequencies at 2.0 GHz (-18.5 dB),
2.5 GHz (-36.5 dB) and 3.3 GHz (-44 dB). Upon adding
a DGS structure such as a circle or dumbbell on the
ground plane, the bandwidth performance of the pro-
posed antenna was significantly enhanced. The radiation
efficiency of the proposed antenna reached 80% and the
directivity was 4.17 dBi (2.0 GHz), 5.58 dBi (2.5 GHz)
and 5.18 dBi (3.3 GHz).

Index Terms – Bowtie slot antenna, defected ground
structure, ultrawideband antenna.

I. INTRODUCTION

Ultrawideband (UWB) antennas play a crucial role
in modern wireless communication, radar and imaging
applications due to their ability to operate over a broad
frequency range. A UWB antenna is characterized by
a fractional bandwidth of greater than 20% or an abso-
lute bandwidth exceeding 500 MHz, as defined by the
Federal Communications Commission (FCC) [1]. The
key advantages of UWB antennas include high data
transmission rates, low power consumption and minimal
interference with narrowband systems. These character-
istics make them highly suitable for applications such

as ground-penetrating radar (GPR), biomedical imaging
and wireless body area networks (WBANs).

Among the various UWB antenna configurations,
the bowtie slot antenna is a popular choice due to its sim-
ple geometry, wide impedance bandwidth and omnidi-
rectional radiation pattern. Additionally, they are highly
suitable for integration into various systems with advan-
tages such as lightweight design, low profile and ease
of manufacturing [2]. Bowtie slot dipoles are also grow-
ing in popularity due to their higher gain and band-
width as compared to normal microstrip patch or slot
antenna [3]. A monopole-like bowtie slot UWB antenna
was proposed in [4] and was able to achieve a wide band-
width of 10.43 GHz. Another proposed high gain bowtie
slot antenna with miniaturized triangular shape metallic
ground plane was able to achieve multiband operation
and higher bandwidth [5].

A defected ground structure (DGS) is a single
or limited number of slots strategically etched on the
ground plane of a microwave printed circuit board to
achieve a feature of stopping wave propagation over
a band of frequencies [6–8]. By adding DGS to the
ground plane, it is able to improve the effective line
impedance, therefore, enhancing the fulfillment of the
required impedance matching [4–6]. For example, some
researchers used bat-shaped DGS in order to achieve
good impedance matching of the antenna [9]. In [10],
researchers managed to achieve UWB performance
when adding DGS to its antenna design.

This paper studies and analyzes different combina-
tions and shapes of DGS for bowtie slot antenna design
operating at UWB from 1.8 GHz to 3.8 GHz. Differ-
ent types of shapes and combinations of the defected
structure might produce different results such narrow or
wide bandwidth, directional or omnidirectional behav-
ior and effects the resonating frequency. The paper’s out-
line is as follows. Section I shows the background to the
research work conducted, Section II displays the design
of the proposed bowtie slot antenna with different type
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of DGS. Section III portrays the simulated findings and
discussion. The findings of the paper are concluded in
section IV.

II. DESIGN OF BOWTIE SLOT ANTENNA
WITH DIFFERENT DGS

In this research, UWB bowtie slot antennas
were designed, simulated and optimized using CST
Microwave Studio software. The targeted operating
bands are from 1.8 to 4 GHz. For reference purposes,
a bowtie slot antenna with full ground plane was also
simulated. There were several combinations and shapes
of DGS that were designed in this work: partial ground,
partial ground with circular-shaped DGS and dumbbell-
shaped DGS. The patch and ground of the antenna are
made of copper with a thickness of 0.035 mm, while the
substrate of the antenna is made of FR-4 with a thickness
of 1.6 mm and εr = 4.3.

A. Design of bowtie slot antenna

Figure 1 shows the proposed design of the bowtie
slot antenna with different types of DGS. The top sur-
face of the bowtie slot antennas consists of a bowtie-
shaped slot and a microstrip feedline. The procedure for
designing the bowtie-shaped slot is based on the design
of bowtie antenna found in [11]. The set of design equa-
tions below is obtained by altering the semi-empirical
design equations for the rectangular patches [11]. The
dimensions of the proposed bowtie design are initially
obtained using equations (1) to (5):

fr =
c

2
√∈eL

(
1.152

Rt

)
, (1)

where

Rt =
L
2
(Bh +2Δl)+(Wc +2Δl)
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, (2)

Δl = h
0.412(∈e +0.3)

(
Wi
h +0.262

)
(∈e−0.258)

(
Wi
h +0.813
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(∈r +1
2

)
+

(∈r−1
2

)(
1+

12h
Wi

)−1/2

, (4)

Wi =

(
Bh +Wc

2

)
. (5)

According to the equations, the most important
dimensions in designing the bowtie slot are Bh (bigger
slot width), L/2 (slot length) and Wc (smaller slot width).
These three dimensions will determine the flare angle of
the bowtie, which is 26◦ after optimization in 3D elec-
tromagnetics software. The amount of flaring angle will
strongly affect the input impedance and bandwidth of the
bowtie shaped slot [12]. The substrate thickness, relative
and effective permittivity are indicated by the h, ∈r and
∈e respectively.

Antenna design was optimized using CST simula-
tion software. Upon optimization, Wc is very small in

the proposed design and can be considered as negligible.
After the simulation and optimization process was com-
pleted, the antenna’s ground was extended larger than the
antenna patch, as bigger ground improves the antenna’s
reflection coefficient and radiation pattern. Other param-
eters for the optimized bowtie slot design are defined in
Fig. 1.

In this proposed antenna, the antenna is fed by
a grounded coplanar waveguide (GCPW) as shown in
Fig. 1. GCPW is the modification of the CPW (coplanar
waveguide) whereby it has an extra ground layer at the
bottom of the antenna compared to the CPW. This struc-
ture improves the overall mechanical structure of the
antenna, especially if the substrate is thin. The antenna
fed by CPW has advantages of large bandwidth and sim-
ple impedance matching network [13]. The characteris-
tic impedance of the feedline of the bowtie slot antenna
with full ground is 57.01 Ω while the characteristics
impedance of the feedline of the antenna with circle-
shaped and dumbbell-shaped DGS is 57.03 Ω and 57.04
Ω, respectively.

Fig. 1. Proposed bowtie slot antenna with grounded
coplanar waveguide feeding.

B. Defected ground structure analysis

There are four antenna designs being investigated
and evaluated in this paper. Different types of shapes
and combinations of the defected structure might pro-
duce different results such as narrow or wide bandwidth,
directional or omnidirectional behavior and effects on
the resonating frequency. In all four designs, the bowtie
slot design on the top surface is maintained the same and
only the bottom surface is changed, utilizing different
DGS shapes and combinations. Figure 2 (a) shows the
first antenna which is the reference design without any
DGS on the ground plane. In the second antenna design
shown in Fig. 2 (b), the ground plane is halved to solve
the narrowband issue in the reference design. By remov-
ing the ground plane, the design managed to achieve
high bandwidth performance as will be shown later in
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(a) (b)

(c) (d)

Fig. 2. Evolution of DGS: (a) full ground (without DGS),
(b) partial ground, (c) partial ground with dumbbell
DGS, (d) partial ground with circle DGS.

section III. Figure 2 (c) displays the partial ground plane
design, now added with a circle-shaped DGS. Finally,
Fig. 2 (d) shows the bowtie slot antenna with dumb-
bell DGS whereby a slot in the shape of a dumbbell is
inserted at the ground plane.

Circle- and dumbbell-shaped DGS were chosen as
they are simple structures, suitable for a preliminary
study [14]. An equivalent circuit of a dumbbell-shaped
DGS with a pair of equivalent capacitance and induc-
tance (LC) model is shown in Fig. 3 [6]. This equivalent
inductance and capacitance are contributed by two dif-
ferent sections of a dumbbell DGS. The conduction cur-
rent surrounding the square heads produces an equivalent
inductance while the gap-coupled electric fields across
the narrow connecting slot results in an equivalent capac-
itance. The values of L, C and R are determined by the
slot dimension and location of the slot [14].

Fig. 3. Equivalent LC model of a dumbbell DGS [6].

Detailed dimensions of these four antennas are
shown in Table 1.

Table 1: Dimensions of bowtie slot antenna

Dimension

(mm)

Bowtie Slot Antenna

Full

Ground

Partial

Ground

Partial

Ground with

Dumbbell

DGS

Partial

Ground with

Circle DGS

GW 1 1 1 1
Fw 3 3 3 3
Fh 29 29 29 29
Bw 34.5 34.5 34.5 34.5
Bh 16 16 16 16
Pw 1.5 1.5 1.5 1.5
Ph 2.5 2.5 2.5 2.5
Hg 7.5 7.5 7.5 7.5
Wg 4.5 4.5 4.5 4.5
A 7.2 7.2 7.2 7.2

W1 3.4 3.4 3.4 3.4
SW 1.4 1.4 1.4 1.4

Radius of
circle DGS

- 1.5 - -

Rh - - - 3
Rv - - - 5
Ha - 27.2 - -
Hb - - 23.5 23.5

CG h - - 1.5 -
CG w - - 0.5 -
SG w - - 0.5 -
SG h - - 1 -

III. SIMULATION RESULTS AND
DISCUSSION

A. Results and discussion

Figure 3 shows the S11 performance comparison
between the design of the bowtie slot antenna with full
ground, partial ground, partial ground with circle DGS
and partial ground with dumbbell DGS.

It can be seen in Fig. 4 and Table 2 that the bowtie
slot antenna without DGS (full ground), which is the ref-
erence design in this study, has a reflection coefficient of
-9.0 dB (2.3 GHz) and -11.0 dB (3.4 GHz). The refer-
ence design has the problem of a very narrow bandwidth
at only 0.1 MHz.

Upon removing half of the ground plane, the
reflection coefficient and bandwidth performance of the
antenna improves as seen in the results of the design with
partial ground. There are three resonant frequencies at
2.0 GHz, 2.5 GHz and 3.7 GHz with reflection coeffi-
cient of - 23.5 dB, -15 dB and -15 dB, respectively. The
bandwidth of the antenna widens to 300 MHz (2.0 GHz),
850 MHz (2.5 GHz) and 550 MHz (3.7 GHz).

When the partial ground design was added with a
circular slot, Fig. 4 shows a UWB performance with a
total bandwidth of 2020 MHz from 1.8 GHz to 3.82 GHz.
There are three resonant frequencies with lowest S11 at
2.0 GHz (-18.5 dB), 2.5 GHz (-36.5 dB) and 3.3 GHz
(-41.5 dB). Likewise, when a dumbbell slot was added
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Fig. 4. Comparison of simulated S11 performance of
bowtie slot antenna with different combinations of DGS.

Table 2: Summary of comparison of simulated perfor-
mance of bowtie slot antenna

Bowtie Slot

Antenna

Reflection

Coefficient (dB)

-10 dB

Bandwidth

(MHz)

Without DGS
(Full ground)

−9.0 (2.3 GHz)
−11.0 (3.4 GHz)

Not sufficient
0.1

Partial ground −23.5 (2.0 GHz)
−15.0 (2.5 GHz)
−15.0 (3.7 GHz)

300
850
550

Partial ground +
Circle DGS

−18.5 (2.0 GHz)
−36.5 (2.5 GHz)
−41.5 (3.3 GHz)

2020
(1.8 - 3.82 GHz)

Partial ground +
Dumbbell DGS

−18.5 (2.0 GHz)
−36.5 (2.5 GHz)
−44.0 (3.3 GHz)

2020
(1.8 - 3.82 GHz)

to the partial ground, it shows a similar UWB perfor-
mance from 1.8 GHz to 3.82 GHz with resonant fre-
quencies at 2.0 GHz (-18.5 dB), 2.5 GHz (-36.5 dB) and
3.3 GHz (-44 dB). This shows that, by adding another
circular and dumbbell slot to the partial ground plane,
the surface current distribution on the ground plane was
successfully disrupted and the -10 dB bandwidth of the
antenna was significantly improved. The proposed UWB
antenna, operating within the 1.8 GHz to 3.8 GHz fre-
quency range, demonstrates significant potential for var-
ious wireless communication, sensing and positioning
applications. In wireless communication, the antenna
supports sub-6 GHz 5G covering key frequency bands

such as 1.8 GHz (Band 3) and 2.5 GHz (Band 41), mak-
ing it suitable for small cell networks, IoT devices and
indoor coverage enhancements. Additionally, its cover-
age of the 2.4 GHz band enables integration with Wi-
Fi (802.11n/ac), Bluetooth and Zigbee, facilitating appli-
cations in smart homes, industrial IoT (IIoT) and smart
cities. Beyond communication, the antenna is well-suited
for sensing and radar applications, particularly in GPR
systems. It also holds promise in biomedical imaging,
where UWB antennas are utilized for wireless health
monitoring, breath detection and early disease diagnosis.

Figures 5-8 display the 2D and 3D radiation plots of
all antenna designs. The reference antenna design has a
directivity of 8.13 dBi with a half power beamwidth of
77.9◦ as can be seen in Fig. 5. The antenna exhibits a uni-
directional behavior, radiating in the front of the antenna.
In Fig. 6, the 2D and 3D plots of the radiation pattern
of the partial ground antenna design shows a directivity
of 4.8 dBi (2.0 GHz), 5.49 dBi (2.5 GHz) and 5.82 dBi
(3.7 GHz), with 3 dB angular beamwidth of 90.7◦, 87.3◦
and 69.1◦, respectively. Upon removing the ground plane
partially, the antenna now exhibits bi-directional behav-
ior, radiating in front of and at the back of the antenna. It
is also noted that the directivity is reduced while the half
power beamwidth is slightly widened.

Figure 7 presents the radiation pattern performance
of the bowtie slot antenna with partial ground and

(a) (b)

(c) (d)

Fig. 5. Simulated radiation pattern of bowtie slot antenna
design with full ground (without DGS): (a) 2D plot xz
plane (3.4 GHz), (b) 2D plot xy plane (3.4 GHz), (c) 2D
plot yz plane (3.4 GHz), (d) 3D plot (3.4 GHz).
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(a) (b)

(c) (d)

(e) (f)

(g) (h)

(i) (j)

Fig. 6. Continued.

(k) (l)

Fig. 6. Simulated radiation pattern of bowtie slot antenna
design with full ground (without DGS): (a) 2D plot xz
plane (3.4 GHz), (b) 2D plot xy plane (3.4 GHz), (c) 2D
plot yz plane (3.4 GHz), (d) 3D plot (3.4 GHz).

circular DGS. The directivity performance of this par-
ticular antenna is relatively similar to the partial ground
design. It has directivity of 4.17 dBi (2.0 GHz), 5.58 dBi
(2.5 GHz) and 5.18 dBi (3.3 GHz) with 3 dB angular

(a) (b)

(c) (d)

(e) (f)

Fig. 7. Continued.
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(g) (h)

(i) (j)

(k) (l)

Fig. 7. Simulated radiation pattern of bowtie slot antenna
design with partial ground and circle DGS: (a) 2D plot xz
plane (2.0 GHz), (b) 2D plot xy plane (2.0 GHz), (c) 2D
plot yz plane (2.5 GHz), (d) 3D plot (2.0 GHz), (e) 2D
plot xz plane (2.5 GHz), (f) 2D plot xy plane (2.5 GHz),
(g) 2D plot yz plane (2.5 GHz), (h) 3D plot (2.5 GHz),
(i) 2D plot xz plane (3.3 GHz), (j) 2D plot xy plane (3.3
GHz), (k) 2D plot yz plane (3.3 GHz), (l) 3D plot (3.3
GHz).

beamwidth of 89◦, 88.6◦ and 73◦, respectively. The radi-
ation pattern performance of the bowtie slot antenna with
partial ground and dumbbell DGS is also not much dif-
ferent from previous partial ground and circular DGS
design. From Fig. 8, the directivity is 4.13 dBi (2.0
GHz), 5.34 dBi (2.5 GHz) and 4.57 dBi (3.3 GHz),
with 3 dB angular beamwidth of 93.1◦, 74.8◦ and 46.6◦,
respectively.

Overall, it is noted that the directivity and shape of
the radiation pattern of all bowtie slot antenna designs

(a) (b)

(c) (d)

(e) (f)

(g) (h)

(i) (j)

Fig. 8. Continued.
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(k) (l)

Fig. 8. Simulated radiation pattern of bowtie slot antenna
design with partial ground and dumbbell DGS: (a) 2D
plot xz plane (2.0 GHz), (b) 2D plot xy plane (2.0 GHz),
(c) 2D plot yz plane (2.5 GHz), (d) 3D plot (2.0 GHz),
(e) 2D plot xz plane (2.5 GHz), (f) 2D plot xy plane (2.5
GHz), (g) 2D plot yz plane (2.5 GHz), (h) 3D plot (2.5
GHz), (i) 2D plot xz plane (3.3 GHz), (j) 2D plot xy plane
(3.3 GHz), (k) 2D plot yz plane (3.3 GHz), (l) 3D plot
(3.3 GHz).

Table 3: Simulated radiation pattern performance of pro-
posed bowtie slot antennas with different combinations
of DGS

Bowtie Slot

Antenna

Operating

Frequency

(GHz)

Directivity

(dBi)

3 dB

Beamwidth

Without DGS
(Full ground)

3.4 8.13 77.9◦

Partial
ground

2.0
2.5
3.7

4.8
5.49
5.82

90.7◦
87.3◦
69.1◦

Partial ground
+ Circle DGS

2.0
2.5
3.3

4.17
5.58
5.18

89◦
88.6◦
73◦

Partial ground
+ Dumbbell

DGS

2.0
2.5
3.3

4.13
5.34
4.57

93.1◦
74.8◦
46.6◦

with partial ground and DGS are similar. The directiv-
ity of the antenna with modified ground plane is reduced
as compared to the reference bowtie slot antenna. The
bowtie slot antenna traditionally is known to exhibit an
omnidirectional type of radiation pattern. However, upon
modifying the ground structure, bowtie slot antenna
exhibit bi-directional radiation behavior, radiating on the
front of and at the back of the bowtie slot antenna.
Table 2 summarizes the radiation pattern performance
of all four bowtie slot antenna designs proposed in this
study.

Figure 9 presents the directivity performance of all
four bowtie slot antenna with different combination of
DGS from 1.8 GHz to 4 GHz. This has confirmed the

Fig. 9. Simulated directivity performance of bowtie slot
antenna with different DGS.

previous observation whereby the reference design has
a higher directionality but comes with narrower band-
width. Upon modification of the ground plane, the direc-
tivity is reduced but the antenna is able to achieve UWB
performance. In Fig. 10, the simulated radiation effi-
ciency of the bowtie slot antennas from 1.8 GHz to 4
GHz are presented. The antenna’s efficiency level is cal-
culated using Radiated Power

Accepted Power × 100 [15]. This shows that
the proposed antenna incorporated with different DGS

Fig. 10. Simulated radiation efficiency performance of
bowtie slot antenna with different DGS.
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have good efficiency, being around 40-80% across the
frequency band. For practical applications, having 50-
60% of radiation efficiency is sufficient and is considered
a good antenna [16].

Figures 11, 12, 13 and 14 present the simulated sur-
face current distribution for bowtie slot antenna without
DGS, with partial ground, with partial ground and circu-
lar DGS, and with partial ground and dumbbell DGS, at
their resonant frequencies. In Fig. 11, it is seen that there
is a very small current flow at the right and left edges,
halfway through the ground plane. Therefore, when the
top half of the ground plane is removed, it enables the
surface current to be concentrated along the top, left
and right edges as seen in Fig. 12. This phenomenon
enhances the bandwidth performance of the bowtie slot
antenna significantly.

(a) (b)

Fig. 11. Simulated surface current distribution of bowtie
slot antenna with full ground (without DGS): (a) top sur-
face (3.4 GHz) and (b) bottom surface (3.4 GHz).

(a) (b)

(c) (d)

(e) (f)

Fig. 12. Simulated surface current distribution of bowtie
slot antenna with partial ground: (a) top surface (2.0
GHz), (b) bottom surface (2.0 GHz), (c) top surface (2.5
GHz), (d) bottom surface (2.5 GHz), (e) top surface (3.7
GHz), (f) bottom surface (3.7 GHz).

(a) (b)

(c) (d)

(e) (f)

Fig. 13. Simulated surface current distribution of bowtie
slot antenna with partial ground and circle DGS: (a) top
surface (2.0 GHz), (b) bottom surface (2.0 GHz), (c) top
surface (2.5 GHz), (d) bottom surface (2.5 GHz), (e) top
surface (3.3 GHz), (f) bottom surface (3.3 GHz).

(a) (b)

(c) (d)

(e) (f)

Fig. 14. Simulated surface current distribution of bowtie
slot antenna with partial ground and dumbbell DGS: (a)
top surface (2.0 GHz), (b) bottom surface (2.0 GHz), (c)
top surface (2.5 GHz), (d) bottom surface (2.5 GHz), (e)
top surface (3.3 GHz), (f) bottom surface (3.3 GHz).

Upon adding a DGS structure underneath the feed-
line, such as circle and dumbbell on the ground plane,
the surface current changes its movement path, flowing
surrounding the defected structure, as can be observed
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Table 4: Comparison of proposed antenna with previous
work

Reference Resonant

Frequency

(GHz)

S11
(dB)

Bandwidth

(GHz)

Gain/

Directivity

(dBi)

[5]

2.4 -21.5 1.1 3.64
6.7 -26 1.35 2.89

10.7 -32 4.1 2.58
15.5 -17.5 0.69 5.72
17.5 -29 0.2 6.3

[9]

2.9 -28.5 0.97 2.0
5.4 -13.5 0.28 3.7
6.1 -17 0.7 3.7
7 -24 0.72 2.0

[14]
2.29 -12.65 0.1 5.27
3.5 -12.89 0.06 3.2

4.64 -14.9 0.2 5.78
Proposed antenna

with partial ground
+ dumbbell DGS

2.0
2.5
3.3

-18.5
-36.5
-41.5

2.02
(1.8-3.82

GHz)

4.17
5.58
5.18

Proposed antenna
with partial ground

+ circle DGS

2.0
2.5
3.3

-18.5
-36.5
-44.0

2.02
(1.8-3.82

GHz)

4.13
5.34
4.57

in Figs. 13 and 14. It is known that quasi-TEM mode
propagates through a conventional microstrip line with
its return radio frequency current through the ground
plane. By creating a defected structure on the ground,
the surface current flow was successfully perturbed at
the ground surface and subsequently modified the elec-
tric field and magnetic field of the antenna. As a result, it
was able to significantly enhance the bandwidth perfor-
mance of the proposed antenna.

Table 3 shows a comparison of the findings of the
proposed bowtie slot antenna design in this paper with
previously published works [5, 9, 14]. Both proposed
antenna with circle and dumbbell DGS displayed excel-
lent bandwidth performance of around 2 GHz compared
to other works. The directivity of the proposed antenna is
comparable to the proposed antenna of other researchers.

IV. CONCLUSION

The effects of partial ground plane with differ-
ent combinations of circle-shaped and dumbbell-shaped
defected ground structures (DGS) on the ultrawideband
(UWB) bowtie slot antenna design were studied and
compared in this paper. Two bowtie slot antenna designs
were proposed with different modification to the ground
plane: one with partial ground and circular DGS, the
other with partial ground and dumbbell DGS. They were
designed to operate from 1.8 to 3.8 GHz. The total -
10 dB bandwidth is 2.02 GHz. The proposed antenna
is best suited for low-band and mid-band wireless com-
munication, UWB radar, biomedical sensing and high-
accuracy localization. The DGS designs were compared
with the antenna design without any DGS as a refer-
ence. For the bowtie slot antenna with partial ground

and circular DGS, there are three resonant frequencies
with lowest S11 at 2.0 GHz (-18.5 dB), 2.5 GHz (-36.5
dB) and 3.3 GHz (-41.5 dB), while the antenna design
with partial ground and dumbbell DGS has resonant fre-
quencies at 2.0 GHz (-18.5 dB), 2.5 GHz (-36.5 dB) and
3.3 GHz (-44 dB). Upon adding a DGS structure under-
neath the feedline, such as a circle or dumbbell on the
ground plane, the surface current changes its movement
path, flowing surrounding the defected structure. As a
result, the electric field and magnetic field was modi-
fied, leading to significantly enhanced bandwidth per-
formance of the proposed antenna. The proposed bowtie
slot antenna’s radiation efficiency is around 80%.

In conclusion, the antenna’s broad bandwidth and
efficient radiation performance make it a strong candi-
date for next-generation wireless, sensing and security
applications, with the potential for further enhancements
through frequency extension beyond 4 GHz for improved
5G and future 6G capabilities.
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Abstract – When addressing the crosstalk problems of
multi-conductor transmission lines (MTLs) excited by
long-time interference sources, time-domain methods
suffer from lengthy simulation duration for such sce-
nario, while the conventional finite-difference frequency-
domain (FDFD) method encounters efficiency limita-
tions due to its requirement for direct meshing the fine
structures of MTLs. Under the circumstance, a new
frequency-domain hybrid method based on the FDFD
method and the transmission line (TL) equations is
proposed. Within this method, the crosstalk model of
the MTLs is constructed depending on TL equations
firstly. Then, TL equations are solved by the difference
scheme of FDFD method, and the FDFD-TL matrix
equation applicable for the crosstalk modeling of MTLs
are derived and established. Finally, the conjugate gra-
dient method combined with message passing interface
(MPI) parallel technique is utilized to solve the FDFD-
TL matrix equation and obtain the voltage responses
along the MTLs and their terminal loads. Two simulation
cases about the crosstalk of multi-conductor TLs excited
by lumped pulse sources are calculated and compared
with the Method of Moments (MoM) to verify the accu-
racy and efficiency of the proposed method.

Index Terms – Crosstalk of multi-conductor transmis-
sion lines, FDFD-TL matrix equation, long-time interfer-
ence sources, message passing interface-based conjugate
gradient method.

I. INTRODUCTION

With the rapid advancement of wireless communi-
cation technology, electronic and electrical devices are
becoming increasingly integrated. The compact arrange-
ment of transmission lines (TL) in these devices can
lead to crosstalk, primarily due to inductive and capac-
itive coupling between neighboring lines. Additionally,
the interference sources in these devices generated from
some circuit modules may be some harmonic or narrow
band signals, which have the prominent feature of long
duration. Therefore, studying the crosstalk issues arising
from multi-conductor transmission lines (MTLs) sub-
jected to long-time interference sources is essential for
developing techniques to mitigate interference in elec-
tronic and electrical devices.

Limited to the fine structures of MTLs and
long duration of interference sources, full-wave algo-
rithms, such as finite-difference time-domain (FDTD)
[1] method, finite element method (FEM) [2], Method
of Moments (MoM) [3], transmission line matrix (TLM)
method [4], and finite-difference frequency-domain
(FDFD) method [5], are not efficient for this crosstalk
simulation issue because they require many grids and
demand relatively long computation time.

Some hybrid methods based on the theory of TL
equations have been proposed, offering the advantage of
avoiding direct modeling of TL structures. Among these
methods, the FDTD and finite-element time-domain
(FETD) solutions of TL equations [6–14] are the most
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widely used. The core concept of the FDTD solutions
of TL equations is to discretize TL equations using dif-
ferent FDTD schemes, such as traditional FDTD [6, 7],
alternating direction implicit FDTD [8], Hermite poly-
nomial FDTD [9], and Implicit-Wendroff FDTD [10],
then the iteration formulas of the voltages and currents
along various TLs are obtained to solve the voltage and
current responses of these lines iteratively. Additionally,
some researchers have integrated the FDTD solutions
of TL equations with machine learning to predict the
crosstalk of twisted-wire pairs [11] and random harness
cables [12]. Although the FETD-TL method [13, 14]
offers advantages over FDTD-TL approaches through its
unconditional convergence and freedom from Courant-
Friedrich-Levy (CFL) stability constraints, its imple-
mentation requires substantial theoretical derivation for
establishing the solving equations. Since these methods
rely on FDTD and FETD, they often require significant
computation time when dealing with interference signals
that have longer duration or narrow frequency bands.

The BLT equation [15, 16] and modal analy-
sis method [17] are well-established frequency-domain
methods suitable for the crosstalk of the MTLs, which
can circumvent the relatively long-time calculations of
time domain methods. It is characterized by construct-
ing the relationship equations between the interference
source and the voltage or current responses at the ter-
minal loads of the MTLs through the scattering and
transmission matrices and then solving the equations to
obtain the terminal loads’ voltage or current responses
via matrix operations. While the BLT equation can only
obtain the voltage or current responses of terminal loads,
the secondary radiation of the MTLs cannot be car-
ried out.

The core idea of the modal analysis method [17] is to
decouple multi-conductor TL equations into independent
modal voltage and current equations by diagonalizing
the per-unit-length impedance and admittance matrices
using complex transformation matrices and then estab-
lish and solve the compact matrix formulations relating
to the end voltages and currents. However, it requires
solving eigenvalue equations to determine the trans-
formation matrix elements for each frequency point,
which requires a lot of theoretical derivation. Addition-
ally, the cross-sectional line dimensions and surrounding
media properties in this method should be invariant along
the MTLs.

Therefore, a new solution of TL equations based on
the FDFD method is proposed in this paper, which can
realize the fast crosstalk simulation of multi-conductor
TLs excited by long-time interference sources and obtain
the voltage and current responses along the MTLs.

II. FDFD SOLUTION FOR THE CROSSTALK
OF MULTI-CONDUCTOR TRANSMISSION

LINES

Generally, the MTLs are close to the ground-
ing plate, and the material of MTLs is seen as per-
fect conductor (PEC), on the basis that the electric
fields surrounding the MTLs are approximated as quasi-
TEM modes. Subsequently, the crosstalk of MTLs can
be modeled using frequency-domain TL equations to
avoid direct meshing the MTL structures, which can be
expressed as

∂
∂ l

I(l,ω)+(G+ jωC)V(l,ω) = 0, (1)

∂
∂ l

V(l,ω)+(R+ jωL)I(l,ω) = 0, (2)

where l stands for the arbitrary direction of the MTLs.
I(l,ω) and V(l,ω) denote the current and voltage vec-
tors on the MTLs, respectively. R, L, G, and C are the
per unit length resistance, inductance, conductance, and
capacitance matrices of the MTLs, respectively, which
can be calculated by the empirical formulas from [17].

The MTLs are divided into N segments according to
the FDFD grid Δl, as shown in Fig. 1, where the voltages
and currents on the MTLs are sampled alternately, with
voltages located at integer grid nodes and currents at half
grid nodes. Crucially, the FDFD method requires grid
resolutions satisfying the CFL condition [17], with spa-
tial discretization constrained to below one-tenth wave-
length of the interference source for stable computations.

(a)

(b)

Fig. 1. FDFD difference scheme of multi-conductor
transmission lines. (a) 3D view of FDFD grid of MTLs
and (b) 2D view of FDFD grid of MTLs.
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Discretizing equations (1) and (2) by the difference
scheme of FDFD, respectively, yields

I
(
i+ 1

2

)− I
(
i− 1

2

)
Δl

+(G+ jωC)V(i) = 0, (3)

V(i+1)−V(i)
Δl

+(R+ jωL)I
(

i+
1
2

)
= 0. (4)

From equation (4), it follows that

I
(

i+
1
2

)
=−(R+ jωL)−1

(
V(i+1)−V(i)

Δl

)
, (5)

I
(

i− 1
2

)
=−(R+ jωL)−1

(
V(i)−V(i−1)

Δl

)
. (6)

Substituting equations (5) and (6) into equation (3),
we get

1
Δl (R+ jωL)−1 V(i)−V(i+1)

Δl − 1
Δl (R+ jωL)−1

V(i−1)−V(i)
Δl +(G+ jωC)V(i) = 0

(7)

Further arranging equation (7) as[
2+Δl2 (R+ jωL)(G+ jωC)

]
V(i)

−V(i+1)−V(i−1) = 0 . (8)

Due to the ends of TLs being terminated by lumped
sources and resistance loads, as shown in Fig. 1, the volt-
ages at both terminal ports of the MTLs do not satisfy the
center difference scheme of FDFD. Thus, they should be
solved using forward and backward difference schemes
[18] to establish the boundaries.

To determine the starting port’s voltages, forward
difference scheme is applied to discretize equation (1) as

I(1/2)− Is

Δl/2
+(G+ jωC)V(0) = 0 (9)

According to Ohm’s law, the voltages and currents
at the starting port satisfy the condition as

V(0) = Vs− IsRs. (10)
Equation (10) can be further arranged to get the

expression of the load’s current as
Is = R−1

s (Vs−V(0)) . (11)
According to equation (5), the current term I(1/2)

in equation (9) can be written as

I(1/2) =−(R+ jωL)−1
(

V(1)−V(0)
Δl

)
. (12)

Substituting equations (11) and (12) into equation
(9), which is further arranged as

2
Δl

[
(R+ jωL)−1

(
V(0)−V(1)

Δl

)]
− 2

Δl R−1
s (Vs−V(0))+(G+ jωC)V(0) = 0

. (13)

Rewriting equation (13) as[
2

Δl2 (R+ jωL)−1 + 2
Δl R−1

s +(G+ jωC)
]

V(0)

− 2
Δl2 (R+ jωL)−1 V(1) = 2

Δl R−1
s Vs

. (14)

Similarly, the backward difference scheme is used
to discretize equation (1) for solving the voltages on the
ending port, which is expressed as

IL− I(N−1/2)
Δl/2

+(G+ jωC)V(N) = 0. (15)

The voltage and current at the ending load also com-
ply with Ohm’s law, which can be expressed as

IL = R−1
L V(N) . (16)

Similarly, the current term I(N−1/2) in equa-
tion (15) can be derived using equation (5), which is
expressed as

I(N−1/2) = (R+ jωL)−1
(

V(N−1)−V(N)

Δl

)
.

(17)
Substituting equations (16) and (17) into equation

(15), which is further arranged as

2
Δl R−1

L V(N)− 2
Δl (R+ jωL)−1

(
V(N−1)−V(N)

Δl

)
+(G+ jωC)V(N) = 0

. (18)

Rewriting equation (18) as[
2

Δl2 (R+ jωL)−1 + 2
Δl R−1

L +(G+ jωC)
]

V(N)

− 2
Δl2 (R+ jωL)−1V(N−1) = 0

. (19)

To solve the voltages along the MTLs, equations (8),
(14) and (19) are combined to construct the FDFD-TL
matrix equation, which is expressed as⎡⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎣

A0,0 A0,1 0 0 · · · 0 0

A1,0 A1,1 A1,2 0 · · · 0 0
...

...
. . .

...
...

...
...

0 · · · Ak,k−1 Ak,k Ak,k+1 · · · 0
...

...
...

...
. . .

...
...

0 0 · · · 0 AN−1,N−2 AN−1,N−1 AN−1,N
0 0 · · · 0 0 AN,N−1 AN,N

⎤⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎦

•

⎡⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎣

V(0)
V(1)

...
V(k)

...
V(N−1)

V(N)

⎤⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎦
=

⎡⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎣

b(0)
b(1)

...
b(k)

...
b(N−1)

b(N)

⎤⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎦
, (20)

where the coefficient matrix is represented as A, and its
elements are denoted as

A0,0 =
2

Δl2 (R+ jωL)−1 +
2
Δl

R−1
s +(G+ jωC) (21a)

A0,1 = AN,N−1 =− 2
Δl2 (R+ jωL)−1 (21b)

AN,N =
2

Δl2 (R+ jωL)−1 +
2
Δl

R−1
L +(G+ jωC)

(21c){
Ak,k−1 = Ak,k+1 =−1

Ak,k = 2+Δl2 (R+ jωL)(G+ jωC) ,k 	= 0,N.

(21d)

The voltage vector is defined as V, expressed as V =
[V (0) ,V (1) , · · · ,V (k) , · · · ,V (N)]T, where
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⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

V(0) = [v0 (1) ,v0 (2) , · · · ,v0 (M)]T

V(1) = [v1 (1) ,v1 (2) , · · · ,v1 (M)]T

...

V(k) = [vk (1) ,vk (2) , · · · ,vk (M)]T

...

V(N) = [vN (1) ,vN (2) , · · · ,vN (M)]T

, (22)

where M is the line number of MTLs.
The excitation source vector is defined as b,

expressed as b = [b(0) ,b(1) , · · · ,b(k) , · · · ,b(N)]T,
where {

b(0) = R−1
S VS/Δx

b(k) = 0, k = 1, ...,N
. (23)

The coefficient matrix A is a complex sparse matrix
with many zero elements. To minimize memory usage,
an efficient triple storage format of sparse matrix [19] is
employed to store the non-zero elements of A along with
their corresponding row and column indices. Consider-
ing the non-zero elements in this sparse matrix exhibit no
symmetric distribution, the conjugate gradient method
[20] is preferred to solve the FDFD-TL matrix equa-
tion efficiently. Its detailed procedure is shown in Fig. 2,
where n stands for the n-th iteration step and εis the max-
imum error value.

Fig. 2. Flow chart of conjugate gradient method.

Additionally, when the MTL lengths are sufficiently
long, a large number of FDFD grids will be required.
This can significantly increase the size of the coefficient
matrix, reducing the iteration efficiency of the conjugate
gradient method. To address this issue, the message pass-
ing interface (MPI) parallel technique [21] is introduced
to facilitate the parallel computation of the FDFD-TL
matrix equation via multiple threads. The MPI parallel
strategy is to distribute the matrix operation tasks by
the main process to multiple sub-processes. The partial
solutions from each sub-process are then aggregated to
the main process to obtain the voltages at all nodes of
the MTLs. This enhancement can notably improve the
crosstalk simulation efficiency of MTLs.

Currently, the responses along the MTLs can be
calculated using equation (5), once the voltages on the
MTLs are obtained.

III. NUMERICAL SIMULATION

To assess the accuracy and efficiency of the pro-
posed method, two typical simulation cases about the
crosstalk of MTLs on perfect conductor (PEC) plane
excited by lumped voltage pulse sources are employed
to be solved by the proposed method and full-wave MoM
and then comparing their results in terms of precision and
computation time.

Figure 3 illustrates the crosstalk model of two TLs
on the PEC plane, where the length, radius, height, and
distance of the lines are 1 m, 1 mm, 1 cm, and 1 cm,
respectively. The starting port of TL #1 is excited by
a Gaussian pulse voltage source, denoted as U, and
expressed as A0 exp

[
−4π (t− t0)

2 /τ2
]
, where ampli-

tude A0 = 1 V, pulse width τ = 2 ns, and time delay
t0 = 1.6 ns. This voltage source has an inner impedance
of Z0 = 50Ω. The other terminals of both lines are
connected to resistance loads, also of 50Ω. The model
parameters are listed in Table 1.

Fig. 3. Crosstalk model of two parallel transmission lines
on the PEC plane.

The proposed method was implemented on a com-
puting node equipped with an Intel Xeon 2.4 GHz, 32-
core processor and 64 GB RAM, utilizing MPI 3.2 with
8-thread parallelization for execution. The discrete grid
size selected by the FDFD is Δl = λ /30 = 1 cm, where
λ stands for the minimum wavelength of Gaussian pulse.
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Table 1: Model parameters of first case
Parameter Value

Length ls 1 m
Radius rw 1 mm
Height hs 1 cm

Distance ds 1 cm
Voltage source U A0 = 1 V, τ = 2 ns, t0 = 1.6 ns

Inner impedance Z0 50Ω
Loads R1∼R3 50Ω

Within the MoM, the lines are divided into line segments
according to the same grid size of FDFD, requiring a
total of 200 segments. Meanwhile, the PEC plane is rep-
resented by half space Green’s function. Additionally,
the sampling frequency number of the proposed method
and MoM are both 200 with interval of 5 MHz.

The real and imaginary parts of the voltage
responses on loads R1 and R3 obtained using the pro-
posed method and MoM, are shown in Figs. 4 and 5. It
can be seen that the results of the two methods are in
good agreement.

To quantitatively evaluate the proposed method, the
relative errors (REs) of the results obtained by the two
methods are calculated, with the maximum RE being
only 3.8%. Here, RE is defined as

RE =

√
∑FN

i=1 (|V E (i)|− |V B (i)|)2

∑FN
i=1 (|V B (i)|)2 , (24)

where i stands for the i-th sampling frequency, FN is
the sampling frequency number. V E (i) and V B (i) are the
real parts or imaginary parts of the voltage responses at i-
th sampling frequency obtained by the proposed method
and MoM, respectively.

Furthermore, the computation times required by the
proposed method and MoM are 1.2 s and 21.8 s, respec-
tively, demonstrating the high computational efficiency
of this method.

To establish a rigorous validation framework, the
proposed method is benchmarked against MoM and
FDTD-TL method through crosstalk simulation of MTLs
excited by prolonged LEMP waveforms.

Figure 6 is the crosstalk model of four TLs on the
PEC plane excited by a LEMP voltage source with inner
impedance of 50Ω, where the length, radius, and height
of the four lines are 100 m, 1 mm, and 10 cm, respec-
tively. Distance between adjacent lines is 5 cm. Terminal
loads of the MTLs are also 50Ω. The starting port of TL
#2 is excited by the LEMP voltage source, expressed as
A0 [exp(−αt)− exp(−β t)], where A0 = 51946 V, α =
1.1×105 s−1, β = 1.1×105 s−1 [22]. The model param-
eters are all listed in Table 2.

The grid size selected by the proposed method is 1
m, which is also determined by the CFL condition. Simi-

(a)

(b)

Fig. 4. Voltage responses on the load R1 obtained by the
two methods for the first case. (a) real parts of the volt-
ages and (b) imaginary parts of the voltages.

Table 2: Model parameters of second case
Parameter Value

Length ls 100 m
Radius rw 1 mm
Height hs 10 cm

Distance ds 5 cm

Voltage source U
A0 = 51946 V, α = 1.1×105 s−1,

β = 1.1×105 s−1

Inner impedance Z0 50Ω
Loads R1∼R7 50Ω

larly, each line of the MTLs in MoM is meshed by FDFD
grid, yielding 400 line segments. The ground plane is
also model by half space Green’s function. Additionally,
the sampling frequency number of the proposed method
and MoM are both 400 with interval of 10 kHz. Within
the FDTD-TL method, the time domain TL equations
transforming from equations (1) and (2) are discretized
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(a)

(b)

Fig. 5. Voltage responses on the load R3 obtained by the
two methods for the first case. (a) real parts of the volt-
ages and (b) imaginary parts of the voltages.

Fig. 6. Crosstalk model of four parallel transmission
lines excited by LEMP voltage source.

by the space step of 1 m and time step of 1.667 ns to
iteratively calculate the current and voltage responses
along the MTLs. To ensure the spectral accuracy in the
Fourier transform analysis of MTL voltages or currents,
the FDTD-TL simulation requires a total duration span-
ning multiple LEMP cycles. Considering the waveform
persistence of LEMP reaching 100 μs, 120,000 time
steps are used for this method.

The voltage responses on the loads R5 and R6 are
calculated by the three methods and the results are com-
pared in Figs. 7 and 8. The results of these methods align

(a)

(b)

Fig. 7. Voltage responses on the load R5 obtained by the
two methods for the second case: (a) real parts of the
voltages and (b) imaginary parts of the voltages.

closely and the maximum RE values of our method and
FDTD-TL method with MoM are approximately 4.0%
and 4.6%, respectively. Additionally, the computation

(a)

Fig. 8. (Continued.)
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(b)

Fig. 8. Voltage responses on the load R6 obtained by the
two methods for the second case: (a) real parts of the
voltages and (b) imaginary parts of the voltages.

time for MoM is 49.8 s, the FDTD-TL method requires
96 s, while the proposed method needs 4.4 s.

IV. CONCLUSION

To enhance the efficiency of crosstalk simulations
for multi-conductor transmission lines (MTLs) affected
by long-duration interference sources, we propose a
new frequency-domain hybrid method that combines the
finite-difference frequency-domain (FDFD) method with
TL equations. The innovative aspect of this approach is
the derivation and establishment of the FDFD-TL matrix
equation, which is specifically designed for the crosstalk
modeling of MTLs excited by long-time interference
sources. Meanwhile, the voltage responses along the
MTLs are efficiently solved using the MPI-based con-
jugate gradient method. Crosstalk simulations of MTLs
containing two lines or four lines are completed by the
proposed method and MoM, and the accuracy and effi-
ciency of this method have been validated through com-
parisons of their results concerning precision and time
consumption. Currently, the proposed method does not
account for the frequency-dependent properties of MTLs
and assumes the MTLs in straight configuration. Future
research will focus on addressing these limitations to
improve the method’s applicability.
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Abstract –This paper introduces a low-loss microstrip
line tri-band bandpass filter, utilizing quarter-wavelength
(λg/4) tri-section stepped impedance resonators
(TSSIRs). In this design, the adoption of a non-edge-
coupled structure effectively eliminates the presence of
coupling gaps. As a result, additional radiation losses
are avoided, leading to lower insertion loss. In addition,
the operating frequencies of the three passbands can
be flexibly adjusted by tuning the impedance ratios
in the TSSIR. Moreover, the λg/4 TSSIR exhibits
a smaller size compared to existing λg/2 TSSIRs,
resulting in a more compact overall design. In order to
validate the proposed design methodology, a tri-band
bandpass filter with passbands centered at 1.0 GHz,
3.5 GHz, and 6.0 GHz was designed, fabricated, and
measured. The minimum insertion losses for each
passband were measured to be 0.07 dB, 0.52 dB, and
1.14 dB, respectively. The filter occupies a compact
area of 31×21.5 mm2 (0.17λg×0.12λg), demonstrating
excellent passband symmetry for each frequency band.
The proposed tri-band bandpass filter not only achieves
three desirable operating frequencies but also benefits
from the inherent characteristics of conventional filters,
such as remarkably low insertion loss and good passband
symmetry.

Index Terms – Bandpass filters, high selectivity, low-loss
feature, passband symmetry, TSSIRs.

I. INTRODUCTION

In recent years, multiband and multi-standard wire-
less communication systems have garnered significant
attention due to their ability to support diverse commu-
nication standards and frequency bands [1]–[3]. Multi-
band bandpass filters are essential passive components
in these systems, significantly influencing overall per-
formance. Consequently, extensive research has been
conducted to develop various design approaches for
multiband bandpass filters. Traditional tri-band band-

pass filters have been realized using three sets of res-
onators with common feeds [4]. However, these designs
often suffer from large footprints due to the extensive
use of resonators. To address this issue, alternative meth-
ods have been proposed, such as employing two sets
of resonators where one set operates at two frequen-
cies [5]–[6]. Another approach involves half-wavelength
tri-section stepped impedance resonators (λg/2 TSSIRs,
λg is the guided wavelength at the center frequency
of the first passband) and other multi-mode resonators
which can achieve tri-band functionality with only one
set of resonators. Despite these innovations, λg/2 TSSIRs
and multi-mode resonators still occupy a relatively large
area [7]–[11]. Additionally, since the aforementioned
filters all employ an edge-coupled structure, the cou-
pling gaps are prone to generating certain levels of
radiation. This radiation effect inevitably leads to rela-
tively high insertion losses in these structures. Substrate
integrated waveguide (SIW) has emerged as a widely
adopted low-loss transmission line in recent years [12]–
[14]. Owing to the confinement of microwave signals
predominantly within the dielectric medium, microwave
devices designed based on SIW exhibit inherently low
insertion loss and are well-suited for operation at higher
frequencies.

This paper presents a novel tri-band bandpass filter
based on (λg/4) TSSIRs. The design process is both sim-
ple and effective. Conventional λg/4 uniform impedance
resonators, while offering excellent performance, are
limited by providing periodic center frequencies for the
passbands. By replacing these λg/4 uniform impedance
resonators with λg/4 TSSIRs, three distinct passbands
can be readily achieved. The proposed filter exhibits a
compact size, remarkably low insertion loss, and excel-
lent passband symmetry.

Additionally, four inherent transmission zeros
within the operational band significantly enhance selec-
tivity and isolation between the three passbands.
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II. ANALYSIS OF TRADITIONAL STUB
BANDPASS FILTERS

Traditional stub bandpass filters can be configured
in the form illustrated in Fig. 1, which consists of shunt-
connected, short-circuited stubs each with an electri-
cal length of θ and a characteristic impedance of ZS,
coupled via connecting lines of an electrical length of
θ and characteristic impedance of ZT. This particu-
lar arrangement leverages the quarter-wavelength reso-
nance principle to achieve selective frequency transmis-
sion, effectively attenuating signals outside the desig-
nated passband while allowing those within the pass-
band to propagate with minimal loss. Ideal transmis-
sion coefficients of the structure shown in Fig. 1 are
given in Fig. 2. As depicted in Fig. 2, the stub band-
pass filter is designed to exhibit three distinct pass-
bands centered at f 0, 3f 0, and 5f 0. These passbands cor-

Fig. 1. Transmission line bandpass filter with quarter-
wavelength short-circuited stubs.

Fig. 2. Simulated transmission coefficients of the struc-
ture shown in Fig. 1 with different values of ZT
(ZS = 50 Ω).

respond to the first three resonant frequencies of the
λg /4 uniform impedance resonators employed in the fil-
ter design. Additionally, the filter inherently generates
four transmission zeros located at DC, 2f 0, 4f 0, and
6f 0, respectively. These transmission zeros play a cru-
cial role in enhancing the filter’s performance by pro-
viding sharp transitions between passbands and stop-
bands. Consequently, the stub bandpass filter demon-
strates superior performance in terms of band-to-band
isolation and selectivity. Specifically, the presence of
multiple transmission zeros ensures that the filter can
effectively attenuate signals outside the desired pass-
bands, thereby minimizing interference and crosstalk
between adjacent bands. Simulated transmission coeffi-
cients of the structure shown in Fig. 1 with different val-
ues of ZS are illustrated Fig. 3. As illustrated in Figs. 2
and 3, the transmission characteristics of the stub band-
pass filter demonstrate significant stability in response
to variations in ZT. Specifically, when ZS is held con-
stant, the transmission coefficients of the filter remain
remarkably consistent, irrespective of fluctuations in ZT.
This indicates that the filter’s performance is relatively
insensitive to changes in ZT under constant ZS condi-
tions. Furthermore, when ZT is kept constant, the trans-
mission coefficients of the filter are observed to gradually
decrease as the value of ZS increases. This suggests that
the filter’s transmission efficiency is inversely related to
the magnitude of ZS when ZT is maintained at a constant
level.

Fig. 3. Simulated transmission coefficients of the struc-
ture shown in Fig. 1 with different values of ZS
(ZT=50 Ω).

It is worth highlighting that, in contrast to conven-
tional edge-coupled bandpass filters, where bandwidth
adjustment is predominantly achieved by varying the
widths of the coupling gap, the developed stub bandpass
filter exhibits a distinct feature. Specifically, it modulates
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its bandwidth by altering the impedance characteristics
of the resonator. This unique approach circumvents the
potential for spurious losses that typically arise from
radiation in the coupling gap of traditional designs. To
provide empirical evidence supporting this claim, Fig. 4
illustrates the electric field distributions within the cross-
sections of both a 50-ohm microstrip transmission line
and a 50-ohm coupled transmission line under analogous
operating conditions. The electric field distributions of
the aforementioned structures were obtained using the
relevant functionalities in Ansys HFSS [18]. For both
types of structures, namely the 50-ohm microstrip trans-
mission lines and the edge-coupled microstrip lines, the
electric field distributions were obtained at an operat-
ing frequency of 1 GHz. Upon examination of Fig. 4,
it is evident that, when scaled identically, the coupled
transmission line exhibits a more pronounced radiation
of energy into the surrounding free space. This height-
ened radiation propensity is inherently associated with
increased energy dissipation, thereby resulting in a com-
paratively higher insertion loss for the entire device. This
observation underscores the significance of the design
approach adopted in the stub bandpass filter, which
effectively mitigates such spurious radiation losses by
eschewing reliance on coupling gap adjustments, lead-
ing to a more efficient signal transmission and reduced
overall insertion loss.

Fig. 4. Electric field distribution on the cross-section of
50-ohm microstrip transmission lines and edge-coupled
microstrip lines at 1 GHz (We = 1.9 mm, se = 0.2 mm,
De = 0.813 mm).

III. DESIGN OF THE DEVELOPED
TRI-BAND BANDPASS FILTER

A. Analysis of the λg/4 tri-section stepped impedance
resonators (TSSIRs)

The employed λg/4 TSSIR depicted in Fig. 5 is
designed with three distinct characteristic impedances,
Z1, Z2, and Z3. For practical applications, it is advanta-
geous to assume that each section has an equal electrical
length. Under this assumption, the input impedances in
Fig. 5 can be precisely derived through a series of math-
ematical transformations:

Fig. 5. Structure of λg/4 TSSIR.

Zin1 = jZ1 tanθ , (1)

Zin2 = jZ2
(Z1 +Z2) tanθ
Z2−Z1 tan2 θ

, (2)

Zin = jZ3
(Z1Z2 +Z2

2 +Z1Z3) tanθ −Z2Z3 tan3 θ
Z2Z3− (Z1Z2 +Z2

2 +Z1Z3) tan2 θ
, (3)

while the condition for the first three resonances of this
TSSIR can be obtained as:

θ01 = θ = acr tan
√

K1K2

1+K1 +K2
, (4)

θ02 =
π
2
, (5)

θ03 = π−θ , (6)
where K1 =Z3/Z2, K2 =Z2/Z1. When the discontinuity
and dispersion effects of the TSSIR have been ignored,
the fundamental property can be obtained as f 1 : f 2 :
f 3 =θ 01 : θ 02 : θ 03. Therefore, once center frequencies
f 1, f 2, f 3 have been assigned, the required impedance
ratios for the TSSIR can be determined using the same
method as presented in [7].

The locations of transmission zeros of the developed
bandpass filter can be determined by setting the input
impedance Zin to zero. This provides the relationship:

(Z1Z2 +Z2
2 +Z1Z3) tanθ = Z2Z3 tan3 θ . (7)

Solving the above equation yields the following
result:

θ1 = π, (8)

θ2 = arctan(

√
1+K1 +K2

K1K2
), (9)

θ3 = π− arctan(

√
1+K1 +K2

K1K2
). (10)
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B. Tri-band bandpass filter design

Building upon the previous analysis of traditional
stub bandpass filters and TSSIRs and drawing paral-
lels to the design methodologies of conventional edge-
coupled bandpass filters, the developed tri-band band-
pass filter has been designed herein, as illustrated in
Fig. 6. In order to minimize the impedance mismatch
between the intermediate transmission line and the 50-
ohm input/output, the characteristic impedance (ZT) of
this transmission line between the two resonators was
also selected to be 50 ohms.

In this design, the proposed tri-band bandpass fil-
ter prototype is designed on a Rogers 4003C substrate
(εr =3.55, tanδ=0.0027) with a thickness of 0.813 mm.
The center frequencies of the three passbands are 1 GHz,
3.5 GHz, and 6 GHz. Referring to the above theoretical
analysis described in section II, the impedance ratios can
be found to be K1 =0.75 and K2 =0.66. The width of the
middle section of the proposed λg/4 TSSIR is selected as
2 mm, which corresponds to a characteristic impedance
of 46 Ω. The characteristic impedances of the other two
sections are calculated to be Z1 =70 Ω and Z2 =35 Ω.
Meanwhile, the electric length of each section at 1 GHz
can be calculated as θ = θ 01 =θ 02 =θ 03 =25.7◦. Lay-
out of the developed tri-band bandpass filter based on
λg/4 TSSIRs is given in Fig. 7. For demonstration, cur-

Fig. 6. Proposed tri-band bandpass filter based on λg/4
TSSIRs.

Fig. 7. Layout of the developed tri-band bandpass filter
based on λg/4 TSSIRs.

(a)

(b)

(c)

Fig. 8. Current distributions at center frequencies of three
passbands: (a) first passband (1 GHz), (b) second pass-
band (3.5 GHz), (c) third passband (6 GHz).

rent distributions at center frequencies of three passbands
are shown in Fig. 8.

IV. RESULTS AND DISCUSSION

A photograph of the fabricated tri-band bandpass fil-
ter is depicted in Fig. 9, while the pertinent parameters
of the tri-band filter are also provided. A comprehen-
sive comparison between the simulated and measured
results of the proposed tri-band bandpass filter is illus-
trated in Figs. 10 and 11. Additionally, the measured
group delay of the filter is presented in Fig. 12. The filter
exhibits three distinct passbands centered at 1 GHz, 3.5
GHz, and 6 GHz, respectively. Leveraging the aforemen-
tioned advantageous characteristics of the conventional
filter structure, the measured minimum insertion losses
of the three passbands are 0.07 dB, 0.52 dB, and 1.14
dB, respectively, inclusive of the losses attributed to the
SMA connectors. Notably, the transmission zeros gener-
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Fig. 9. Photograph of the proposed tri-band bandpass fil-
ter (W0 =1.9 mm, W1 =3.05 mm, W2 =2 mm, W3 =1
mm, L1 =13 mm, L2 =14.5 mm, L3 =14 mm, L4 =41.2
mm, D=0.6 mm, G=2 mm).

Fig. 10. Simulated and measured reflection coefficients
of the developed tri-band bandpass filter.

Fig. 11. Simulated and measured transmission coeffi-
cients and phase of the developed tri-band bandpass
filter.

Fig. 12. Measured group delay versus frequency for each
passband.

ated at 0 GHz, 2.35 GHz, 4.6 GHz, and 6.75 GHz have
significantly enhanced the selectivity, passband symme-
try, and band-to-band isolation of the proposed tri-band
filter.

In order to comprehensively verify the accuracy
of the transmission zero formulas that were derived in
the previous section, a detailed comparison was con-
ducted between the calculated values and those obtained
through both simulation and experimental measurement.
The results of this comparison are presented in Table 1.
The calculated transmission zero locations exhibit a high
degree of alignment with the measured results, effec-
tively demonstrating the validity and reliability of the
design methodology employed in this study.

For a bandpass filter, the passband symmetry can be
quantified as follows. As shown in Fig. 13, the center
frequency of the filter is f, the lower passband edge cor-
responding to the -10 dB level is f L, and the upper pass-
band edge corresponding to the -10 dB level is f H. For
an ideal bandpass filter, the symmetry condition can be

Fig. 13. Transmission coefficient of a bandpass filter.
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Table 1: Calculated and measured locations of transmission zeros
1 2 3 4

Calculated Results 0 GHz 2.32 GHz 4.69 GHz 7.0 GHz
Measured Results 0 GHz 2.55 GHz 4.45 GHz 6.75 GHz

Table 2: Comparison between proposed tri-band filter and prior works
Ref. f 0 / f 1 / f 2

GHz

Insertion Losses

dB

Fabrication

Process

Passband Symmetry

Ratio

Size

λλλ g×λλλ ∗g
4 2.5 / 3.5 / 5.7 1 / 1.2 / 1.5 Microstrip

line
1.6/1.06/1.18 0.26×0.2

5 1.84/2.45/2.98 0.9/1.6/0.8 Microstrip
line

1.1/1/14/1.5 0.27×0.2

6 1.8/3.5/5.8 0.88/1.33/1.77 Microstrip
line

1.1/1.04/1.52 0.52×0.11

7 1.57 / 2.45 / 3.5 0.77/1.51/1/8 Microstrip
line

1.13/1.14/1.2 0.23×0.16

8 1.0 / 2.4 / 2.6 2.0 / 1.9 / 1.7 Microstrip
line

1.7/1.07/1.06 0.2×0.2

9 1.64 / 3.04 / 4.8 1.54 / 1.71 / 2.4** Microstrip
line

1.14/1.18/1.75 0.24×0.2

10 3.16 / 4.27 / 5.70 1.6 / 2.5 / 2.9 Microstrip
line

1.1/1.05/1.64 0.59×0.19

11 1.15 / 2.05 / 3.18 0.92 / 0.93 / 1.58 Microstrip
line

1.74/1.13/1.3 NA

12 3.01 / 3.34 / 3.58 1.71 / 1.58 / 1.13 SIW 1.62/1.5/1.5 0.58×0.21
13 3.02 / 4.23 / 5.31 3.14 / 2.32 / 3.21 SIW 1.28/1.26/1/24 1.45×0.74
14 14.08 / 14.51 / 14.86 2.55 / 2.71 / 2.03 SIW 1.5/1.1/1.7 1.64×1.55
15 1.72 / 4.05 / 7.6 0.13 / 0.15 / 0.21 Microstrip

line ***
1.3/1.27/1.67 0.19×0.11

16 1.56 / 4.21 / 5.79 0.18 / 0.19 / 0.18 Microstrip
line ***

1.1./1/13/1.21 0.26×0.15

17 1.64 / 2.48 / 3.51 0.051 / 0.09 / 0.12 Microstrip
line ***

1.3/1.15/1.28 0.19×0.16

This

Work

1 / 3.5 / 6 0.07 / 0.52/ 1.14 Microstrip
line

1.19/1.07/1.03 0.17×0.12

∗ λg is the guided wavelength at the center frequency of the first passband (f 1).
∗∗ Only simulated results have been given in this design.
∗∗∗ These designs are based on HTS.

expressed as f H-f=f -f L, and passband symmetry ratio
(r) which can be expressed as r=(f H-f)/(f -f L)=1. This
metric provides a clear and quantitative measure of the
passband symmetry.

However, for commonly used bandpass filters, it is
challenging to achieve r=1. Except, the closer the value
of r is to 1, the better the passband symmetry of the filter.
Therefore, we define the passband symmetry ratio r as:

r =
max[( fH− f ),( f − fL)]

min[( fH− f ),( f − fL)]
. (11)

Under this definition, the value of r is always greater
than 1, which facilitates comparison.

For a more thorough evaluation, comparisons with
prior works are presented in Table 1. As seen from
Table 1, compared with conventional microstrip tri-band
filters, the proposed design demonstrates significantly
lower insertion loss while maintaining comparable cir-
cuit dimensions. Furthermore, when juxtaposed with tri-
band filters based on SIW structures, the filter presented
in this work exhibits certain advantages in both insertion
loss and circuit size. Moreover, Table 1 also includes tri-
band filters based on high-temperature superconducting
(HTS) structures [15]–[17]. The aforementioned filters
are similarly designed using edge-coupled structures. In
terms of insertion loss, the first two passbands of the pro-
posed tri-band filter in this work still exhibit comparable
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performance with those of HTS-based filters. As shown
in Table 1, for the three bandpass filters designed in this
paper, the passband symmetry ratio for each passband
is less than 1.2, indicating that the design exhibits good
passband symmetry.

In summary, the developed filter offers several
advantages. Firstly, it employs a λg/4 TSSIR resonator,
which significantly reduces the overall dimensions of the
filter compared to existing ones. Secondly, the adoption
of a non-edge-coupled structure effectively avoids radi-
ation losses caused by coupling slots, resulting in a low
insertion loss, a crucial characteristic for microwave pas-
sive devices. Lastly, due to the inherent characteristics
of the structure, the single passband of the filter exhibits
good symmetry, which is closer to that of an ideal band-
pass filter.

V. CONCLUSION

This paper introduces a microstrip line-based tri-
band bandpass filter employing quarter-wavelength tri-
section stepped impedance resonators (TSSIR). The
design process of the proposed filter is characterized by
its simplicity and effectiveness. By judiciously adjust-
ing the impedance values of the TSSIR, three distinct
passbands can be readily achieved, thus catering to the
requirements of multi-band applications. The inherent
generation of transmission zeros within the entire oper-
ating bandwidth significantly enhances the selectivity,
passband symmetry, and band-to-band isolation of the
proposed tri-band filter. The consistency between the
simulated and measured results further validates the fea-
sibility of the design. These attributes collectively ren-
der the filter highly suitable for modern compact tri-band
communication systems.
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Abstract – The design objectives for a bandpass fil-
ter intended for modern wireless applications include
achieving wide stopband attenuation and preserving sig-
nal strength within the passband. The proposed archi-
tecture aims to provide an effective solution for WLAN
systems by minimizing insertion loss while sustaining
other essential performance parameters. An asymmetric-
short to the stepped impedance resonator (ASSIR) band-
pass filter is presented. The second-order end coupled
filter is initially designed, and transmission zeros and
resonance frequencies are mathematically derived using
ABCD parameters and odd and even mode calculations,
respectively. A middle-short is introduced to the res-
onators to increase the depth of transmission zeros at
the band edges. Further, an asymmetric-short to the res-
onators, along with stubs at the feed lines, is incorporated
to realize an ultrawide stopband until 12.8 GHz and also
to achieve compactness of 0.3λg×0.18λg without mod-
ifying the structure. The low-cost FR4 substrate εr = 4.4,
simple end-coupled ASSIR bandpass filters is mathemat-
ically verified, simulated and measured at 2.45 GHz with
an in-band low insertion loss of 1.4 dB.

Index Terms – Asymmetric-short, bandpass filter,
middle-short, stepped impedance resonator.

I. INTRODUCTION

In today’s widely congested electromagnetic spec-
trum, microwave bandpass filters (BPFs) are essential
RF devices to perform signal selection and out-of-system
interference mitigation simultaneously. Different archi-
tectures for size reduction, extended stopband, and high
gain are necessary for upgrading the overall system per-
formance.

The empirical formula for parallel coupled stepped
impedance resonator design in [1] deals with the arbi-
trary coupling length of the resonator and quarter
wavelength coupling to control spurious response and

insertion loss. The analysis of fundamental character-
istics of various wavelength stepped impedance res-
onators, such as equivalent circuit, spurious response,
resonance conditions, and resonator length, is presented
in [2] whose practical applications are reported. The
bandpass filters with various coupling and odd and even
mode impedance are presented in [3]. The relationship
between transmission zeros and the position of feed lines
is discussed in [4] for a microstrip filter.

The spurious modes of the stepped impedance res-
onator [5] are analyzed based on length and impedance
ratios to extend the rejection in stop band. The resonators
[6] are selected in such a way to get a fixed fundamen-
tal frequency but with different spurious frequencies in
order to suppress spurious signals. A lowpass filter [7]
with both end and parallel coupling is designed with slow
wave effect to obtain both compactness and suppression
of spurious signals. A meandered resonator loaded with
a shorted stub is presented in [8] for compact size, wide
stop band and better selectivity.

II. LITERATURE REVIEW

Coupled line filters in [9] and cross-structured res-
onators with coupled lines are reported in [10] for
miniaturization in size, but trade-offs between key char-
acteristics such as insertion loss and stopband rejection
need to be considered for the filter design. Resonators
in the shunt branch of elliptic filters in [11], pairs of
coupled lines in [12], a pair of resonators with differ-
ent resonance frequencies in [13], and a coupled line-
stub cascaded structure in [14] are used for generating
required transmission zeros to realize out-of-band sup-
pression and deep roll-off skirts. A minimum degree of
attenuation is achieved in the stopband.

The quasi-elliptic bandpass response obtained in
[15], a filter with stepped impedance stubs [16], stepped
impedance resonator-based coupled lines in [17], and
various slots and open stubs used in substrate-integrated
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waveguide (SIW) structure [18] improve frequency
selectivity by placing transmission zeros near the pass-
band while limiting attenuation over the wide stop-
band. Middle-shorted hairpin resonators in [19], short-
circuited stub-embedded ring resonators in [20], inter-
resonance in post-loaded SIW resonators described in
[21] and adjustable transmission zeros achieved by mod-
ifying length of the apertures embedded in SIW [22] are
employed to realize a wide stopband but use complex
design topology. Substrate integrated waveguide-based
filters using rectangular slots in two quarter-mode cav-
ities [23] focus on suppressing the second mode and
lowering the third mode’s coupling to improve stopband
rejection, but this results in minimum rejection.

In the proposed work, an end-coupled stepped
impedance resonator-based bandpass filter is initiated to
analyze transmission zeros and resonance frequencies.
To the best of our knowledge, developing a filter with
a wide stopband and compact size remains a challenging
task. The end-coupled bandpass filter with asymmetric-
short resonators with open stubs is proposed to offer
lower insertion loss, harmonic suppression in the stop-
band, and compact size.

III. BASIC DESIGN: END-COUPLED
UNIFORM IMPEDANCE RESONATOR

Generally, uniform impedance resonators (UIR) are
folded to get compactness in the filter. Two folded res-
onators are connected electrically with end coupling, as
shown in Fig. 1 (a). The relation between feed lines and
transmission zeros, both symmetric and asymmetric feed
line positions, is analyzed in [4] using an ABCD matrix.

(a)

(b)

Fig. 1. (a) Layout of UIR BPF with end coupling.
Dimensions are L1=13.2 mm, L2=19.4 mm, W1=1.2
mm, S=0.3 mm and (b) Layout of SIR BPF with end
coupling. Dimensions are L1=4.2 mm, L2=12.0 mm,
Lc=4.8 mm, W1=1.2 mm, W2=3.7 mm, S=0.3 mm.

IV. ANALYSIS OF END-COUPLED STEPPED
IMPEDANCE RESONATOR

The design consists of two half-wavelength stepped
impedance resonators (SIR). One resonator is coupled to
another resonator through a gap, forming an end-coupled
structure. The gap between the resonators is modelled
as a capacitor. Figure 1 (b) shows the stepped impedance
resonator BPF with end coupling. Thus, the coupling at
the ends of these two resonators evolves into a bandpass
filter to achieve basic performance metrics. Adjustable
feed line tapping is utilized to shape the passband of the
filter.

A. Location of transmission zeros

From the position of the feed line, the frequencies
of the transmission zeros are expressed mathematically.
As described in [4], the connected shunt circuit is seg-
mented into upper and lower sections. Each section of
SIR is expressed in ABCD matrices, where θ1 is the elec-
trical length of high impedance line in the upper part, θ2
the length of the high impedance line in the lower part,
θc the length of low impedance line, and C is the end
coupling modelled as capacitor.

The upper part of coupled structure is expressed as:
M1×M2×M3

=

[
cosθ1 jz1sinθ1

jsinθ1
z1

cosθ1

][
1 1

jωC − j2z2cotθc

0 1

]
[

cosθ2 jz1sinθ2
jsinθ2

z1
cosθ2

]
. (1)

The lower part of coupled structure is expressed as:
M3×M2×M1

=

[
cosθ2 jz1sinθ2

jsinθ2
z1

cosθ2

][
1 1

jωC − j2z2cotθc

0 1

]
[

cosθ1 jz1sinθ1
jsinθ1

z1
cosθ1

]
. (2)

The upper and lower sections of the ABCD parame-
ters are converted to admittance parameters and added to
get the total admittance parameters. From the total admit-
tance parameters, S21 can be calculated as:

Z1 (tanθ1 + tanθ2) tanθc = 2Z2 +
tanθc

ωC
. (3)

As C is very small, the equation is reduced to:
Z1 (tanθ1 + tanθ2) tanθc = 2Z2 . (4)

The equation is further simplified as:

tanθ1tanθc =
Z2

Z1
, (5)

and:
tanθ2tanθc =

Z2

Z1
. (6)

Therefore, the frequency of transmission zeros cor-
responding to feed positions is expressed in terms of
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electrical length and impedance. By solving equations
(1-6), the transmission zeros for the end coupling BPF
are expressed. From the equation, the relation between
transmission zeros and feed positions is calculated for
the filter. The calculated transmission zeros are 1.94 GHz
and 3.23 GHz, and the equations closely match the simu-
lation results. As the half-wavelength resonator is folded,
the position of the feed line determines the frequency
of transmission zeros. Further, the analysis focused on
the fact that the frequency of transmission zeros not
only depends on the electrical length but also on the
impedance ratio of the stepped impedance resonator.

B. Resonance conditions

The resonant frequency of a stepped impedance res-
onator is described using electrical length and impedance
ratio, which act as deciding factors. Various combina-
tions of impedance ratios are used in the design of the
resonator to observe that it exerts control over shift-
ing the odd and even modes to higher and lower fre-
quencies, respectively. Also, a noticeable change in the
impedance ratio makes the electrical length change in
order to achieve compactness in the structure. The circuit
is decomposed into odd and even mode circuits, which
are shown in Figs. 2 (a) and (b).

The input admittance of the circuit is:

Yin = Y0

(
YL + jY 0tanθo/e

)(
Y0 + jY Ltanθo/e

) . (7)

The coupling between the SIRs is assumed to be
infinite or large. The resonant frequencies of two modes
are derived as follows.

The admittance at the short circuit is:

YL =− jY 1 cot
θ
2
. (8)

By substituting equation (8) into equation (7), the
odd mode input admittance is derived as:

Yino =− jY2

(
Y1cot θ

2 −Y2tanθo
)(

Y2 +Y1tan θ
2 tanθo

) . (9)

By substituting Yino=0, the equation for the odd
mode resonance becomes:

tan
θ
2
.tanθo− Y1

Y2
= 0. (10)

The odd mode resonance frequency is obtained from
equation (10) for the total electrical length of θ = θ 1 +
θ 2 as pointed out in Fig. 2. Similarly, the admittance at

(a) (b)

Fig. 2. (a) Odd mode and (b) Even mode conditions.

the open circuit is:

YL = jY 1 tan
θ
2
. (11)

By substituting equation (11) into (7), the odd mode
input admittance is:

Yine = jY2

(
Y1tan θ

2 +Y2tanθe
)(

Y2−Y1tan θ
2 tanθe

) . (12)

By substituting Yine=0, the equation for the even
mode resonance becomes:

cot
θ
2
.tanθe +

Y1

Y2
= 0. (13)

The even-mode resonance frequency is obtained
from equation (13) with K = Y1/Y2.

The fundamental mode and lowest spurious mode
of the end-coupled stepped impedance resonator are
observed using odd mode and even mode, respectively.
Both transmission zeros and resonance equations depend
directly on parameters related to impedance ratios and
electrical length ratios. The fundamental mode frequency
is 2.45 GHz, calculated from equation (10). The lowest
spurious mode frequency is 5.13 GHz from equation (13)
for K = 0.55 and θ e/θt = 0.280. From the equations, the
odd and even mode resonances are plotted between the
normalized frequency and the electrical length ratio with

(a)

(b)

Fig. 3. (a) Calculated odd mode resonance with various
K values and (b) Even mode resonance with various K
values.
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various values of K, as shown in Figs. 3 (a) and (b).
The fundamental and first spurious signals are

shifted to lower frequencies, and the second and third
spurious signals are shifted to higher frequencies, as
shown in Fig. 4 (a), with K varying from 1 to 0.2.
The fundamental and first spurious signals are shifted
to higher frequencies, and the second and third spuri-
ous signals are shifted to lower frequencies, as shown
in Fig. 4 (b), with K varying from 1 to 4. Both odd and
even mode resonances are shifted and controlled by vari-
ous K values. The resonance calculated by the theoretical
equations matches well with the simulated odd and even
mode resonances and their response to various K values.
K = 1 is treated as a reference and hence highlighted in
Figs. 4 (a) and (b).

(a)

(b)

Fig. 4. (a) Simulated response of SIR for various K val-
ues from 1 to 0.2 and (b) various K values from 1 to 4.

The coupling coefficient (k) and external quality fac-
tor (Qe) are calculated from equations (14) and (15):

ki,i+1 =
FBW√
gigi+1

for i = 1 to n−1, (14)

Qe =
g0g1

FBW
. (15)

The calculated coupling coefficient k between the
resonators is 0.23, and the external quality factor Qe
of the filter is 5.06, as identified in the plots shown in
Figs. 5 (a) and (b).

(a)

(b)

Fig. 5. (a) Coupling coefficient k versus gap between the
resonators g and (b) External quality factor Qe versus
tapping position t.

V. PROPOSED DESIGN
A. Middle-short-stepped impedance resonator
(MSSIR) bandpass filter

The performance of a stepped impedance bandpass
filter with end coupling, such as in-band insertion loss
and harmonic suppression, is improved by introducing a
middle-short into the resonators.

In the end-coupled stepped impedance bandpass fil-
ter, the characteristics are redefined by introducing a
middle-short, as shown in Fig. 6.

A middle-short half-wavelength resonator behaves
like a quarter-wavelength resonator, which naturally
rejects even harmonics. Therefore, a middle-short along
with end coupling improves bandwidth with selectivity,
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Fig. 6. Layout of end-coupled MSSIR BPF. Dimensions
are L1 = 4 mm, L2=12.4 mm, Lc=4.2 mm, LS=2.1 mm,
W1=WS=1.2 mm, W2=3.7 mm, S=0.3 mm.

reduces in-band insertion loss at the center frequency,
and extends harmonic suppression with better attenua-
tion in the stopband. The circuit is decomposed to odd
and even mode circuits are shown in Figs. 7 (a) and (b).

(a) (b)

Fig. 7. (a) Odd mode and (b) Even mode conditions.

The resonant frequencies of two modes are derived
as follows. After introducing a middle-short, no change
in the odd mode resonance; then the equation is:

tan
θ
2
.tanθo− Y1

Y2
= 0. (16)

For even mode resonance, the following conditions
are used. The admittance at the short circuit is:

YeS = j
YS

2
cot

θ
2
. (17)

The intermediate input admittance between Y1 and
YS/2 is:

Yei = Y1

(
YeS + jY 1tan θ

2

)(
Y1 + jYeStan θ

2

) . (18)

The intermediate input admittance between Y2 and
Y1 is:

Yine = Y2
(Yei + jY 2tanθe )

(Y2 + jYeitanθe)
. (19)

Solving equations (17-19), and substituting Yine=0,
the equation for the even mode resonance becomes:

2Y 2
1 tan

θ
2
.tanθS +2Y 1Y2tanθS.tanθe

+Y2YStan
θ
2
.tanθe = Y1YS. (20)

The even-mode resonance frequency is obtained
from equation (20).

The calculated odd-mode resonance from equation
(16) is 2.45 GHz, the same as the SIR BPF with end
coupling. The calculated even mode resonance from

equation (20) is 7.57 GHz, which justifies the quarter-
wavelength resonator behavior due to the extended stub
with a short at the middle of the resonators. The addition
of middle-short resonators improves the filter’s selectiv-
ity. This minimizes interference from neighboring trans-
missions and enables the exact filtering of specific fre-
quencies. The design reduces undesired frequencies and
provides an extended stopband, which helps to improve
signal isolation. This increases the applicability of the
filter and makes it more flexible in a variety of com-
munication applications. The exceptional feature of the
filter topology is that it produces strong out-of-band
rejection without the need for extra components, which
is one of its main advantages. This helps to make the
overall design simpler, easier to implement, and more
affordable.

B. Asymmetric-short-stepped impedance resonator
bandpass filter

The characteristics of a stepped-impedance res-
onator are further improved by incorporating an
asymmetric-short. A middle-short to the resonator
improves the out-of-band rejection but fails to preserve
the insertion loss at the center frequency and also band-
width. Good passband bandwidth along with low inser-
tion loss can be preserved by shifting the short stub
slightly from the center of the resonator, creating an
asymmetric-short to the resonator as shown in Fig. 8. By
adjusting the position of the short stub from the center of
the resonator, an unintentional slight shift in harmonics
to higher frequencies is obtained.

Two stubs are introduced at the feed lines to improve
stopband rejection in combination with an asymmetric-
short resonator. The equations for the length of the stubs
are given in [4], determined from equations (15) and
(16). The selected lengths are used to obtain transmis-
sion zeros at 7.52 GHz and 9.41 GHz:

fStub1 =
c

4L3
√εe f f

, (15)

fStub2 =
c

4L4
√εe f f

. (16)

The fabricated design of an asymmetric-short to the
stepped impedance resonator (ASSIR) BPF is shown in
Fig. 9 with stubs, L3 = 5.1 mm and L4 = 4 mm.

Fig. 8. Layout of end-coupled ASSIR BPF. Same as
dimensions used in MSSIR BPF.
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Fig. 9. Fabricated design of ASSIR BPF.

VI. RESULTS AND DISCUSSION

The simulated results are obtained using the
Advanced Design System Momentum and measured
using E5062A network analyzer. The substrate used was
FR4 with εr = 4.4 and h = 1.6 mm. The response of the
uniform impedance BPF with end coupling is shown in
Fig. 10. The filter attains S21 of 0.56 dB, S11 of 46 dB,
and a physical size of 0.43λg×0.19λg. The center fre-
quency is fixed at 2.45 GHz, thereby achieving a frac-
tional bandwidth of 8.3%, a roll-off rate of 29%, and
transmission zeros at 2.06 GHz and 2.78 GHz.

Fig. 10. Response of end-coupled UIR BPF.

The calculated and measured response of the
stepped impedance resonators with an end-coupled BPF
is shown in Fig. 11. From the simulation, the transmis-
sion zeros of 2.0 GHz and 3.2 GHz match well with
the calculated transmission zeros of 1.94 GHz and 3.23
GHz. Also, both odd and even mode resonances of 2.47
GHz and 5.08 GHz from the simulation are very close
to the mathematical results of 2.45 GHz and 5.13 GHz.
The physical size of the end-coupling bandpass filter is
0.32λ g×0.22λ g and a roll-off rate of 41% is noted. First,
second, third and fourth spurious signal appear at 5.13
GHz, 7.62 GHz, 9.69 GHz and 12.06 GHz, respectively.

Analysis of the stepped impedance resonator BPF
with end coupling is as follows. For fixed length L1 of
3 mm, the lengths Lc and L2 are 4.2 mm and 11 mm,
respectively, producing a bandwidth of 0.5 GHz and two
transmission zeros at 2.2 GHz and 3.67 GHz. The change

Fig. 11. Calculated and simulated response of end-
coupled SIR BPF.

in lengths of L1 and L2, with a fixed Lc, causes a shift in
the transmission zeros to 2.0 GHz and 3.17 GHz. The
simulated S21 is 0.71 dB, as observed in Fig. 12. When
the feed line is placed at the center of the half-wavelength
line with 180◦ tapping, no band is found at f0.

Fig. 12. Comparison of end-coupled SIR BPF with vari-
ous lengths L.

When the coupling width W2 decreases from 3.7
mm to 2.7 mm, a slight shift in center frequency to
higher frequencies and a corresponding shift in the trans-
mission zeros are shown in Fig. 13. The change in odd
mode (center frequency) and even mode frequencies to
higher frequency are also observed. As the coupling gap
increases from 0.3 mm to 0.8 mm, the lower and upper
transmission zeros move very close to each other. Thus,
the bandwidth becomes sharper, focusing the center fre-
quency within the required passband, as noted in Fig. 14.

The response of middle-short BPF with end cou-
pling is shown in Fig. 15. The redefined structure
improves characteristics such as S21 of 0.36 dB, a size
of 0.316λ g×0.186λ g, and a reasonable roll-off rate of
45 dB/GHz.

As the middle-short resonator behaves like a
quarter-wavelength resonator, the first- and second-order
spurious signals are shifted to 7.62 GHz and 12.06
GHz, respectively, and therefore the stopband rejection
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Fig. 13. Comparison of end-coupled SIR BPF with vari-
ous coupling widths W2.

Fig. 14. Comparison of end-coupled SIR BPF with vari-
ous coupling gaps S.

Fig. 15. Response of end-coupled MSSIR BPF.

is improved. By adjusting the structure, the required har-
monic suppression up to 6 GHz with 20 dB of attenuation
and a fractional bandwidth of 29% is achieved.

However, the introduction of open stubs at the
feedlines couples with the folded half-wavelength
middle-short-stepped impedance resonator, disrupting
the passband bandwidth and reducing insertion loss
at the center frequency. Shifting the short stub away
from the resonator’s center reduces coupling and there-
fore effectively preserves the passband bandwidth and
enhances insertion loss at the center frequency. Addition-
ally, a very slight unintentional shift in harmonics toward

higher frequency is obtained. Thus, various positions (P)
of the short stub of the stepped impedance resonator are
analyzed without open stubs at the feedlines to under-
stand the behavior of the asymmetric-short resonator-
based filter. Improvements in passband bandwidth, inser-
tion loss and unintentional shifts in harmonics are shown
in Figs. 16 and 17. As the optimal positioning of the short
stub to the resonator is fixed (as shown in Fig. 8), the
introduction of open stubs at the feedlines delivers wide
stopband attenuation as expected.

The simulated and measured responses of the pro-
posed ASSIR filter with open stubs at the feedlines
are shown in Fig. 18. The signal strength in the oper-
ating bandwidth and the rejection level in the stop-
band are essential features in the evaluation of the fil-
ter. In the design, asymmetric-short to the resonator
with open stubs changes the coupling, which in turn
impacts both the resonance condition and the impedance
matching at one of the pole frequencies. Therefore, the
asymmetric-short resonator-based bandpass filter offers
a single reflection pole at the operating frequency of 2.45
GHz. The measured stopband rejection up to 12.8 GHz
with 20 dB of attenuation matches the simulated stop-
band rejection up to 12.8 GHz with 20 dB of attenua-
tion. The S11 of 22.15 dB and the fractional bandwidth
of 20.4% also match the simulated S11 of 38.15 dB and

Fig. 16. S21 response of MSSIR BPF with short stub
position shifted from the center.

Fig. 17. S11 response of MSSIR BPF with short stub
position shifted from the center.
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Fig. 18. Simulated and measured response of the pro-
posed ASSIR bandpass filter.

Table 1: Comparison of simulated response of
resonators-based filter

Filter

Design

FBW(%) S21 (dB) HS* Size (λ g×λ g)

UIR 8.3 0.56 3.5 GHz 0.43×0.19
SIR 20.8 0.71 3.7 GHz 0.32×0.22

MSSIR 29 0.36 6 GHz 0.3×0.18
ASSIR 21.9 0.35 12.8

GHz
0.3×0.18

∗HS Harmonic suppression with 20 dB attenuation up to
the mentioned frequency

the fractional bandwidth of 21.9%. The response shows
that both the simulated and measured results satisfy these
features and also match closely.

Table 2: Comparison of measured responses with other proposed filters
Ref. f0 (GHz) FBW (%) S21 (dB) S11 (dB) Upper Stopband Rejection (dB) Size (λ g×λ g)

[9] 2.4 12.1 1.2 15 - 0.037λ g
2

[10] 2.9 24 0.7 12 15 (1.89f0) 0.2×0.2
[11] 2.45 10 >0.79 22.7 - 0.92×0.345
[12] 2.1 19 <1.8 12 18 (3f0) 0.39×0.28
[13] 1.72 16.3 0.7 - - 0.05×0.07
[14] 2.1 39 0.8 20.6 29.5 (2.3f0) 0.39×0.36
[15] 2.5 36 0.6 15 42 (2.44f0) 0.21×0.18
[16] 3.24 58.3 0.6 14.2 - 0.34×0.34
[17] 3 60 0.8 13 40 (2.36f0) 0.67×0.17
[18] 12.5 47 1.1 10 34 1.96×1.12
[19] 5.4 11.4 1.2 20 30 (3f0) 0.5×0.35
[20] 3.4 4.06 1.2 - 30 (3f0) 0.42×0.157
[21] 5 6.6 0.9 - 30 (4.2f0) -
[23] 2.1 17.1 0.93 15 20 (3.19f0) 0.05λ g

2

This Work 2.45 20.4 1.4 22.15 20 (4.56f0) 0.3×0.18

Comparison of simulated design parameters, such
as the uniform impedance resonator, stepped impedance
resonator, middle-short-stepped impedance resonator
and asymmetric-short-stepped impedance resonator with
open stubs are recorded in Table 1.

Key parameters such as fractional bandwidth (in
percentage), S21 (in dB), harmonic suppression with
its attenuation level and size in guided wavelength are
listed. A fractional bandwidth improvement of more than
63.45% and a miniaturization improvement of 34% are
achieved compared to a UIR BPF. The insertion loss
(simulated response) shows an improvement of 41% and
the harmonic suppression improves by 72.7% when com-
pared with the UIR BPF.

Table 2 compares the parameters of the proposed
filter with those of existing filters from various stud-
ies. The comparison highlights the efficiency of the
proposed filter by considering fractional bandwidth (%),
S21 (dB), S11 (dB), upper stopband rejection, and circuit
size in guided wavelength. The insertion loss (S21) is
reduced to as low as 1.4 dB, and harmonic suppression
with an attenuation of 20 dB is extended from 2.8
GHz to 12.8 GHz, achieving a stopband rejection of
4.85 f0. S11 reaches as high as 22.15 dB, and a bet-
ter fractional bandwidth of 20.4% is achieved. The
center frequency is fixed at 2.45 GHz, and the cir-
cuit area is reduced to 0.3λ g×0.18λ g. Therefore, the
complete design of ASSIR bandpass filter with stubs
offers low insertion loss, compact size, and good har-
monic suppression with better attenuation. The sim-
ple architecture makes the design attractive and afford-
able. Performance can be further enhanced by mini-
mizing insertion loss by employing superior substrate
materials.
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VII. CONCLUSION

A bandpass filter is presented using a novel
asymmetric-short applied to the stepped impedance res-
onator. Transmission zeros and resonance frequency
of the bandpass filter with end coupling are analyzed
mathematically and verified by simulation as an initial
step. Further, bandpass filters with symmetric-short and
asymmetric-short configurations applied to the stepped
impedance resonator are developed and validated. The
added open stubs at the feedlines of the filter extend
the stopband to a greater extent. Thus, the filter has the
potential to be used in a number of applications where
out-of-band rejection in the stopband, excellent signal
strength in the passband, compact size, and affordabil-
ity are essential requirements.
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Abstract – The growing interest in electric vehicles has
spurred the development of high-performance electric
machines. The effective cooling of windings in elec-
tric machines is essential as they are the primary site
of energy loss. Oil-spray cooling systems have gained
popularity due to their ability to reduce temperatures
and protect winding insulation. This paper proposes a
Computational Fluid Dynamics (CFD) model for the
Spray-Cooling Induction Switched Reluctance Machine
(ISRM) to enhance the thermal management of electric
machines using Ansys Fluent software. The proposed
machine demonstrates efficient heat dissipation during
transient simulation tests. Oil is applied to both the sta-
tor and the rotor during a transient two-phase simulation,
enabling effective thermal exchange despite uneven tem-
perature distributions across the components. We first
modeled the machine using the finite element method
and extracted the losses from ANSYS. This analysis
focuses on the energy losses related to the selective oil
spray at the end of the rotor. By performing a detailed
thermal analysis, we found that increasing the flow rate
enhances the Nusselt number, improves heat transfer, and
increases the machine losses.

Index Terms – Electric vehicle, Induction Switched
Reluctance Machine (ISRM), oil-spray cooling, two-
phase thermal management systems.

I. INTRODUCTION

Permanent Magnet Synchronous Motors (PMSMs)
and Switched Reluctance Motors (SRMs) are high
torque density motors. PMSMs are recognized for their
high torque density. In contrast, SRMs are valued for
their simple structure, high efficiency, reliability, cost-
effectiveness, high fault tolerance, excellent thermal abil-
ities, and suitable torque-speed characteristics [1].

This study builds upon recent advancements in SRM
technology, addressing limitations in existing designs.

While significant progress has been made in noise reduc-
tion techniques using Torque Sharing Function (TSF)-
based control [2] and sophisticated modeling approaches
[3], there remains a need for robust design optimization
methods considering realistic driving cycles. Early work
focused on enhancing SRM performance by introducing
designs like the Double Stator SRM (DSSRM) in 2010
[4], aimed at mitigating torque ripple and acoustic noise
often associated with conventional SRMs. However, the
DSSRM design might still face challenges in high-power
applications.

Recently, the Induction Switched Reluctance
Machine (ISRM) has emerged as a promising alterna-
tive, particularly well-suited for demanding industrial
and transportation applications [5]. The ISRM utilizes
a non-segmented design, with coils placed on both the
stator and rotor cores. This configuration, although it
introduces rotor copper losses, offers superior efficiency
compared to conventional SRMs [6]. The unique design
of the ISRM allows for various stator/rotor pole combi-
nations and provides flexibility in optimizing machine
performance for specific applications.

The 12/10 ISRM configuration for electric power-
trains represents an approach in the Electric Vehicles
(EVs) powertrains field [7]. This machine combines the
SRM with rotor inductive conductors to improve EV
powertrain performance. The rotor conductors act as a
magnetic shield, enhancing efficiency by creating short
magnetic flux paths. Mohammadi et al. [8] examined an
oil-cooled, three-phase ISRM with six stator poles and
four rotor poles. A two-dimensional finite element model
was used to analyze the machine’s magnetic properties,
flux path, torque, and efficiency, followed by an analysis
of thermal performance with ANSYS Motor-CAD [8].

However, these rotor conductors also lead to signif-
icant copper loss and heat generation. While direct liq-
uid cooling systems, like oil-spray cooling used in the
Toyota Prius, can cool the internal parts of the machine,
designing an ISRM with reduced rotor copper loss can
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eliminate the need for cooling systems and enhance the
machine’s efficiency. Consequently, it is essential to per-
form a detailed thermal analysis and optimize the design
of the spray cooling system. This subject has not been
considered in the literature until now, and it is the main
innovation of this paper.

Oil cooling is increasingly recognized as an
effective method for thermal management in electric
machines, but several aspects require further investiga-
tion. Compared to oil-jet cooling, spray cooling offers
superior cooling efficiency and more uniform tempera-
ture distribution [9, 10]. Research in two-phase thermal
management systems has focused on leveraging both liq-
uid and vapor phases to enhance heat transfer. The aver-
age velocity of droplets in a spray is used to character-
ize their speed. Wang et al. [11] used an artificial neural
network to analyze the Nusselt number in an EW (End
Winding) spray cooling system, addressing uneven spray
cooling and its impact on cooling efficiency.

Several studies have investigated specific aspects of
oil cooling systems. Zhang et al. [12] details the devel-
opment of a 3D Lumped Parameter Thermal Network
(LPTN) for oil-spray-cooled EWs, while others have
explored the effectiveness of spray evaporative cooling
in electric motors [21, 22]. These studies often utilize
electric traction motor stators with hairpin winding tech-
nology and specialized spray nozzles [13]. Depending on
the specific application, some cooling systems are bet-
ter suited for effective thermal management, and Com-
putational Fluid Dynamics (CFD) modeling becomes an
essential research tool for guiding and enhancing the
design process. For example, Chiu et al. [14] carried out
a CFD simulation of a 30 kW SRM to make a compari-
son between liquid and air-cooling systems.

In the scope of this study, a thermal model dedicated
to spray-cooling ISRM has been formulated, evaluated,
and adapted for a different ISRM configuration based
on the CFD approach. The work begins by illustrating
the structure of the ISRM, with a particular focus on the
internal arrangement of components and the areas most
prone to overheating, such as the stator and rotor. The
proposed cooling system relies on the direct application
of oil jets, designed to target the most thermally critical
surfaces specifically. The three-dimensional model used
for simulation is described in detail, including the geom-
etry of the motor, the distribution and orientation of the
nozzles, the oil flow rate, pressure, and the fluid’s physi-
cal properties.

A spray-cooling three-phase ISRM with 12 stator
poles and 10 rotor poles was analyzed, and a 2D finite
element model was developed to determine its magnetic
properties. In this paper, 24 two-phase spray nozzles
were specifically designed, and thermal simulations were
performed and utilized for cooling purposes. Six noz-

zles were allocated for the stator and six for the rotor,
arranged radially at the front and rear of the ISRM.
Radial rotor spray cooling seems to be the better solu-
tion, using Ansys Fluent software. Through simulations
conducted under various operating scenarios, the study
shows that oil-spray cooling can significantly reduce the
internal temperatures of the motor. In particular, a sub-
stantial temperature drop is observed in areas with higher
loss densities, contributing to more continuous opera-
tion and a reduced risk of material degradation. Initially,
the 12/10 ISRM setup involving oil-spray cooling was
employed to establish and confirm a correlation for the
Nusselt number. This article, validated with the Nusselt
number equation in [15], fully aligns with the findings of
this research and reports similar results.

II. INDUCTION SWITCHED RELUCTANCE
MACHINE

ISRM refers to an electric machine with a single
stator and rotor, featuring several short-circuited coils
mounted on the rotor. These coils are energized by addi-
tional coils located within the slots of the stator. The
rotor’s coils, which are not powered by any external
source, have currents induced within them due to the
machine’s operation. The rotor’s windings are arranged
to create a short magnetic flux path encircling the coil
in the stator that is being excited [7, 16]. This type
of electric machine, which combines the advantages of
reluctance and induction machines, has specific operat-
ing characteristics that make the study of its cooling sys-
tem an original contribution, especially when compared
to the existing literature, which is more focused on per-
manent magnet or conventional induction machines.

The electric machine uses spray cooling for the sta-
tor and rotor in this research. Twenty-four spray nozzles
are utilized, with six nozzles dedicated to cooling the sta-
tor and another six for the rotor. These nozzles are strate-
gically placed at radial positions on the front and rear
sections of the ISRM. The research presented involves
developing and simulating a thermal model specifically
for the spray-cooled 12/10 ISRM. Empirical formulas,
derived and simulated within the ISRM framework [15]
are central to this effort.

The study validates the thermal model by compar-
ing it with measurement results from electric motors fea-
turing various cooling system designs, also discussed
in [15]. Additionally, the formulated Nusselt number
equation aligns with the ISRM parameters. The three-
dimensional model used for simulation is described in
detail, including the geometry of the motor, the distri-
bution and orientation of the nozzles, the oil flow rate,
pressure, and the fluid’s physical properties. Two- and
three-dimensional representation of the 12/10 ISRM is
illustrated in Fig. 1, depicting the key structural features
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Fig. 1. Cross-section of a 12/10 ISRM 2D, 3D.

necessary for electromagnetic analysis. Visual repre-
sentations, including a three-dimensional schematic of
its stator and rotor and meshed with finite elements,
are depicted in Fig. 2. Further details about the 12/10

Fig. 2. Proposed prototype three-dimensional schematic
of 12/10 ISRM simulated with ANSYS and meshed with
finite elements.

Fig. 3. Flux distribution in the ISRM.

ISRM’s specifications can be found in Table 1. Figure 3
shows the magnetic flux distribution in the ISRM, while
Fig. 4 illustrates the current density in the ISRM.

Fig. 4. Current density in the ISRM.

III. SPRAY COOLING SYSTEM

The nozzles are placed in a specific radial position
from the stator and the rotors. The housing design of
the ISRM device minimizes the contact area between
the ISRM suspension and the stator cover, reducing heat
transfer through the housing of the simulated device.

A. Simulated spray cooling induction switched reluc-
tance machine

The coolant used in the ISRM is Automatic Trans-
mission Fluid (ATF). Table 2 outlines the liquid’s proper-
ties, which are essential for comprehending its behavior
in fluid dynamics and thermal processes. The key param-
eters in Table 2 include fluid density (ρ), kinematic vis-
cosity (v), specific heat capacity (Cp), and thermal con-
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Table 1: Specifications of the ISRM

Table 2: Automatic transmission fluid coolant properties

Fig. 5. Schematic of the proposed 12/10 ISRM machine
with the spray cooling system.

ductivity (λ ). These properties are crucial for analyz-
ing fluid movement and heat transfer in systems, such
as those using spray nozzles for cooling. The literature
documents various nozzle designs explored for numer-
ous spray applications [17]. Flat jet nozzles are used in
the ANSYS simulation shown in Fig. 5. The geometry
and arrangement of the nozzles are given in Table 3.
Table 3 typically includes critical parameters such as the
nozzle diameter, angle of spray, and spacing between
nozzles, which are essential for ensuring optimal per-
formance in their respective applications. The critical
parameters in Table 3 for effective nozzle performance
include the spray nozzle type, dimensions (Dstator, Drotor,
Dnozzle), and distances from the nozzle to the stator
(Hstator) and rotor (Hrotor) surfaces. These factors are
essential for precise spray coverage and cooling effi-
ciency.

Table 3: Spray nozzle properties and positioning

B. Fluid circuits

The machine cooling settings of ISRM are in the
form of two circuits. The first fluid circuit regulates the
cooling water that lowers the temperature of the ATF.
The ATF used for cooling the end windings is circulated
through a second fluid circuit, which also serves the liq-
uid cooling system for the ISRM.is carried in the liq-
uid circuit for ISRM cooling. A pump transfers the ATF
fluid to the injection nozzles to create the fluid pressure
required for injection. Two manual valves are proposed
to adjust the radial spray of the nozzles. After the ATF
fluid is sprayed on the coils, it is collected in the stator
coil tank and then transferred to the storage tank from
the designed outlet position. Finally, the fluid is directed
to the radiator for cooling and enters the injection cycle
again. This process is instrumental in lowering the tem-
perature of the windings, thereby enhancing the overall
performance of the device, as depicted in Fig. 6.

C. Parameter range of the study area

In this study, multiple parameters listed in Table 4
are systematically modified and simulated to assess their
impact on the system’s performance.
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Fig. 6. Setting up the proposed cooling fluid system.

Table 4: Range of parameters altered in the series of mea-
surements

IV. HYDRODYNAMIC PARAMETERS OF
SPRAYS

In the ISRM, a cooling fluid spray system is uti-
lized. This section investigates two approaches to the
simulated heat transfer model. In this study, the average
temperatures from each side of the ISRM are employed
to calculate the heat transfer coefficients for both model
approaches. Local heat transfer behavior and tempera-
ture heterogeneities are not investigated further. In this
research, a heat transfer model approach should be devel-
oped that can be transferred to different dimensions of
the machine, and therefore, the complexity of the model
needs to be reduced. The heat transfer coefficient is cal-
culated as follows:

Tb =
Tin +Tout

2
, (1)

h =
Q

AEA ∗ (Tw−Tb)
. (2)

Stator iron losses can be neglected. At this low fre-
quency, the air gap of the rotor was chosen to be rela-
tively large, and its maximum speed was set to n=6000
rpm, so the losses due to air friction can be neglected.
Table 2 contains all additional properties of the fluid.

A. Approach 1: Based on Liu et al.

The first model approach simulated test is based on
an idea for a model with reduced parameters from Liu
et al. [10, 13]:

hHTC =C1.V̈C2 .LC3
char, (3)

hHTC = 99300.V̈ 0.432.L0.31
char, (4)

where V̈ is the effective volumetric flow rate (see Tables
5 and 7) and Lc3

chr is the characteristic length:

V̈ =
V̇
A
.
ω1

ω2
, (5)

Lchr =
√

Lrad .wspray =
√

A. (6)
Due to the different axial distances between the

spray nozzle and the EW in DE (Drive End) and NDE
(Non-Drive End), two different characteristic lengths in
the axial direction are studied, while one characteristic
length in the radial direction is investigated.

B. Approach 2: Nusselt number

The alternate method utilizes a single-phase heat
transfer paradigm for spray nozzles, defining the Nusselt
number with Suter’s mean diameter, the d32. The spec-
ified diameter refers to that of a droplet whose ratio of
volume to surface area matches the collective ratio for all
droplets within the spray sample. Employing the spray’s
Reynolds number (see Table 7 for details) [18]:

Nud32 = c4.Ruc5
Spray.Prc6.

AT F , (7)

Nud32 = 87.633.Ru0.969
Spray.Pr0.25

AT F , (8)
Nusselt number:

Nud32 =
h. d32

λAT F
, (9)

Reynolds number:

RuSpray =
ρAT F .V ...d32

ηAT F
, (10)
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Prandtl number:

PrAT F =
CP,AT F .ηAT F

λAT F
, (11)

d32

d0
= 3,67.

[
We0,5

d0 .Rud0

]−0,259
, (12)

Wed0 =
ρAir.
(

2ΔP
ρAT F

)
.d0

σAT F
, (13)

Rud0 =
ρAT F .

(
2ΔP

ρAT F

)0,5
.d0

ηAT F
, (14)

The surface tension of the ATF is denoted as σAT F ,
is sourced from the research conducted by Kemp and
Linden [19].

C. Heat transfer surface model

In this study, three end-winding surface area (AEW )
models will be used to calculate the effective volumet-
ric flow rate. Both heat transfer models utilize the same
three surface modeling methods. Mainly, models of EW
are applicable in evaluating cooling system operations
and in assessing the efficacy of heat transfer within
electric engines and various devices. Utilizing empirical
evidence and mathematical formulations, these models
determine the effective volumetric flow rate, taking into
account the ambient conditions and the specific proper-
ties of the substance. For example, EW models can aid
in identifying the optimal strategy for dispersing heat and
lowering temperatures in oil-cooled electric machines.

The length of EW is lEW = 2H tan γ
2 where Lrad

is based on the ideas of trigonometric manipulations for
the modeling approach by Liu and colleagues [13] (see
Fig. 7):

AEW,1 = Lrad .wspray(radial), (15)
AEW,2 = 2π.rEW,o.lEW (radial), (16)

AEW,3 = π.
(
r2

EW,o− r2
EW,i
)
+2π.lEW .(rEW,0 + rEw,i) ,

(17)
where rEW,i is the inner surface radius of the end-winding
and rEW,o is the outer surface radius of the end-winding.

Table 5: Experimental Nusselt correlation coefficients
for different nozzle arrangements [15]

Consistent with previous heat-transfer research in
electrical machinery, the fundamental shape of an end-
winding is often reduced to a model resembling half of a
circular band [13]. An interesting part of the work con-
cerns the comparison between two distinct approaches

Fig. 7. Radial spray arrangement [20].

to modeling heat transfer. The first is based on empiri-
cal correlations derived from previous studies, while the
second uses dimensionless parameters such as Nusselt,
Reynolds, and Prandtl numbers to describe the forced
convection produced by the spray. This comparison helps
identify the conditions under which each method is more
reliable and representative of the real behavior of the sys-
tem. Another merit of this paper is the clear connection it
establishes between improved cooling and machine per-
formance.

D. Model development

For the analysis of heat transfer behavior, the aver-
age chain temperatures from all measured points on each
side of the EW are utilized. All empirical and model-
based heat transfer coefficients are determined using the
same surface model, which varies according to the spray
nozzle configuration. The thermal model incorporates all
relevant governing equations, including conservation of
mass, momentum, and energy, which are explicitly stated
in the paper. Boundary conditions were applied using a
finite element framework, with Dirichlet and Neumann
conditions set according to physical constraints of each
domain.

In this paper, the geometry of the model was meshed
using the Fluent meshing method in the Fluent software.
The type of mesh selected for this simulation is a poly-
hedral mesh, which is highly suitable for complex mod-
els and particularly for simulating fluid flows and phys-
ical fields. This type of mesh was chosen due to its spe-
cific features, such as high accuracy in simulation and
better performance in complex geometries. The num-
ber of meshed elements in this model is 256,000, which
effectively improves the simulation accuracy in sensitive
areas.

The selected solution type is pressure-based and
was used in transient mode for precise analysis of fluid
dynamics. This simulation was conducted in a two-
phase model using the Volume of Fluid (VOF) method,
which is suitable for simulating two-phase flows such
as liquid-gas. The k-epsilon model was used as the tur-
bulence model to simulate turbulent flows and account
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for complex flow behaviors. For a more accurate sim-
ulation, Cell Zone Conditions were defined separately
for the rotor and stator. Additionally, to correctly model
the interactions between the rotor and stator, a Mesh
Interface was defined between these two sections. This
Mesh Interface enables proper communication and data
transfer between the moving part (rotor) and the sta-
tionary part (stator). Due to the geometric symmetry in
the model, the Symmetry feature was used, which helps
reduce computational time and increase simulation effi-
ciency.

At the system inlet, the mass flow inlet was used
to specify the mass flow rate, accurately defining the
inlet flow conditions. The specific simulation settings
include a pressure-based solution type, transient simu-
lation mode, a two-phase model using VOF with sur-
face tension, and a k-epsilon turbulence model. Cell zone
conditions were defined separately for the rotor and sta-
tor, with a mesh interface established between them, and
the use of a symmetry feature for geometric symmetry.
The mass-flow inlet was employed for the mass flow
rate. This combination of models and simulation condi-
tions enables accurate simulation of flows, interactions
between the rotor and stator, and analysis of two-phase
systems in a dynamic and complex environment.

(a)

(b)

Fig. 8. Comparison of (a) Nusselt number and (b) heat
transfer rate as a function of coolant flow rate (l/min)
of the ISRM stator. Simulated data are plotted against
calculated values derived from equations (4) and (8).

Regression models were utilized to calibrate the
heat transfer coefficients, pinpointing the coefficients
and exponents for both methodologies in equations (3)
and (7). Identical coefficients (c1-c6) are employed on
each side, with the model’s design aimed at pioneering
the development of additional ATF spray-cooled traction
electric machines. The empirical model treats winding
configurations in DE and NDE uniformly, without dif-
ferentiation. The variance between EW’s two facets is
attributed to the disparate lengths of the hairpin wires and
their consequent surface dimensions. The data are vali-
dated across varying flow rates at 3000 and 6000 rpm,
alongside a stator heat transfer measurement of 2708 W,
focusing solely on radial spray analysis. The comparison
between the heat transfer observed in the experiments in
[15] and the simulation using the displacement Nusselt
correlation coefficients is depicted in Fig. 8.

The measurements taken at different flow rates,
specifically at 3000 and 6000 rpm, have verified that
the rotor’s heat transfer is 1241 watts. It’s important
to note that this study focuses solely on radial spray
patterns. Figure 9 clearly shows a noticeable differ-
ence in heat transfer between the empirical data and
the simulation results, which are calculated using the

(a)

(b)

Fig. 9. Comparison of (a) Nusselt number and (b) heat
transfer rate as a function of coolant flow rate (l/min) of
the ISRM rotor. Simulated data are plotted, derived from
equation (4), and against calculated values derived from
equations (4) and (8).
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Nusselt displacement correlation coefficients. This com-
parison highlights the potential discrepancies and pro-
vides a framework for understanding the effective-
ness of the radial spray cooling method under dif-
ferent operational conditions. The flow rate is 2-18
liters per minute. The temperature of the ATF fluid
ranges from 40 to 150 degrees Celsius. In radial noz-
zles, the higher the flow rate, the better the cooling
performance. The smaller the mean droplet diameter
(d32), the more significant the increase in the heat
transfer coefficient, and the more extensive the surface
area (AEW ).

V. MODELING AND SIMULATION
RESULTS OF TRANSIENT HEAT

TRANSFER

In this section, we will analyze the temperature at
three distinct points during the transient state for differ-
ent flow rates, given that the empirical Nusselt formula
closely aligns with the simulation results. This analysis
will be conducted using ANSYS software, as shown in
Fig. 10. This study investigates the temperature changes
at several specific points within a thermal system over
time. These points are strategically located inside the
rotor, where they are continuously influenced by a heat
source with a heat flux of 2708 W/m2, which is applied
over both the stator and rotor surfaces. In addition to var-
ious cooling conditions, the temperature spikes suddenly
in localized areas, then, within a fraction of a second, it
decreases and stabilizes. Temperature decrease time for
different flow rates is shown in Figs. 11 and 12. Tem-
perature reaches its maximum value in 0.2 seconds and
then reaches a steady state 0.2 seconds later with the
injection of ATF fluid. At different flow rates, the stable
temperature is different. Upon motor start-up, a brief ini-
tial temperature increase occurs before the cooling sys-
tem becomes fully effective, which contributes to the
sharp thermal response observed in the early stage. This
behavior has been validated by comparing our results

Fig. 10. Three-point placement in transient heat transfer.

with experimental data reported in the referenced litera-
ture, confirming the accuracy of the thermal model under
extreme loading conditions.

(a)

(b)

(c)

(d)

Fig. 11. Temperature changes (Celsius) in terms of time
(seconds) for different flow rates. (a) Temperature varia-
tions at three selected points for a flow rate of 15 liters
per minute, (b) temperature variations at three selected
points for a flow rate of 12 liters per minute, (c) tem-
perature variations at three selected points for a flow
rate of 5 liters per minute, and (d) temperature varia-
tions at three selected points for a flow rate of 3 liters per
minute.
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Fig. 12. Temperature contour for a flow rate of 3 liters
per minute at 3000 rpm.

VI. ENERGY LOSSES FOR ROTORS

The thermal model was developed based on power
losses computed using finite element electromagnetic
(FEM) simulations in ANSYS Maxwell. These include
core losses (hysteresis and eddy currents) and copper
losses, which were calculated with spatial resolution and
mapped onto the thermal domain in ANSYS. Relevant
electromagnetic field maps, such as magnetic flux den-
sity and current density distributions, were extracted to
visualize regions of high loss concentration.

In addition, mechanical losses arising from fluid
resistance and friction along the cooling path have been
taken into account. The circulation of the fluid near the
stator coils and within the cooling channels results in a
pressure drop and increased energy consumption, espe-
cially in the rotor region. As the rotor speed increases,
these mechanical losses rise accordingly, as shown in
Fig. 13. The machine was initially modeled using the
finite element method, and all associated losses were
extracted through ANSYS simulations.

Fig. 13. Power loss (KW) relative to flow rate (l/min).

VII. DISCUSSION

Given the operational requirements and engineer-
ing considerations, evaluating the feasibility of imple-
menting the proposed system in industrial applications
is of particular interest. In the field of electric machine
cooling, and particularly in EVs, the oil-spray system
presents a promising alternative to conventional liquid-
or air-based approaches. It offers not only high ther-
mal efficiency but also a compact structure and reduced

maintenance demands. Intelligent pump control strate-
gies can further enhance energy efficiency, while prelim-
inary estimates suggest that the installation and mainte-
nance costs of this system could fall within a competi-
tive range compared to traditional solutions, especially in
designs where simplicity and spatial constraints are crit-
ical. To estimate the cost of implementing the proposed
oil-spray cooling system for electric machines, a simpli-
fied analysis was conducted based on a 150-kW motor
equipped with 24 nozzles. Key components include a
high-capacity pump with intelligent control, a distribu-
tion manifold, a reservoir, extended piping, and instal-
lation services. Preliminary estimates suggest a total
system cost ranging from USD2300-3420, depending
on equipment specifications and integration complexity
(Table 6).

Cost estimation can be approached using various
methods depending on the design phase and required
accuracy. Empirical methods leverage data from similar
installations; parametric models apply mathematical cor-
relations between system parameters and cost; activity-
based costing (ABC) allocates expenses based on actual
operational tasks; and bottom-up estimation aggregates
costs from individual components. Each method offers
distinct advantages across feasibility, detail, and scala-
bility.

Table 6: Summarizing the updated cost estimation for
the oil-spray cooling system based on a 150-kW electric
machine with 24 nozzles (prices are based on the date the
article was submitted)

VIII. FUTURE WORK

Due to the complexity and uncertainties in spray
cooling behavior, fuzzy logic, particularly fuzzy similar-
ity analysis, offers a promising direction for future opti-
mization, enabling effective comparison of thermal con-
figurations under nonlinear or uncertain conditions [23].

In this paper, mechanical vibrations and their
interaction with thermal performance are of growing
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Table 7: Symbols and nomenclature
Symbol Nomenclature

A Area defined along heated surface ( m2 )
cp Specific heat capacity (J/kgK)

c1 . . . .6 Coefficients and exponents
d Distance (m)
D Diameter (m)

d32 Sauter mean diameter (m)
I Current (A)

KV Housing losses factor (W/K)
L Length (m)
n Machine speed ( min−1 )

Nu Nusselt number
Pr Prandtl number
P Power losses (W)
Q Volume flow rate
Q̇ Heat flow rate (W)
Re Reynolds number
Tin Inlet temperature ( ◦C )
Tout Outlet temperature ( ◦C )
Tw Surface temperature ( ◦C )
V̇ Volume flow rate (1/min)
V̈ Volumetric flux rate ( m3/m2 s )
w Width (m)

Hstator Nozzle-to-stator surface distance
Hrotor Nozzle-to-rotor surface distance

He Height of the end-winding
Greek

h Heat transfer coefficient ( W/m2 · K )
θ Spray angle

ΔT Temperature difference (K)
ρ Density ( kg/m3 )
v Kinematic viscosity ( m2/s )
γ Nozzle spray angle ( ◦ )
Ω Angle (rad)

Subscripts

0,1... Counters
ax axial

comb Combined
i inner

hydra Hydraulic
0 outer

Rad Radial

importance, particularly in spray-based cooling systems
where moving components and nozzles are exposed to
dynamic excitation from the motor or installation envi-
ronment. Modal analysis serves as a fundamental tool
for identifying the natural frequencies, mode shapes, and
damping ratios of the system, enabling engineers to pre-
dict vibrational behavior and avoid destructive phenom-
ena such as resonance.

Modal analysis can be conducted numerically (e.g.,
via finite element methods) or experimentally (e.g., using
impact hammer or shaker tests), and its results form
the basis for further dynamic studies such as harmonic
response or random vibration analysis. Aligning the sys-
tem’s natural frequencies away from operational excita-
tion ranges helps prevent fatigue and extends component
lifespan.

Moreover, multiphysics modeling, which simul-
taneously considers thermal, fluidic, and mechanical
behavior, offers a more comprehensive understanding
of system performance under real-world conditions. For
instance, vibrations may influence spray distribution,
temperature uniformity, or sensor accuracy. Integrat-
ing modal analysis with thermal-fluid simulations thus
supports the design of robust, efficient, and vibration-
resilient cooling systems.

IX. CONCLUSION

This study introduced an innovative oil-spray cool-
ing system for a 12/10 induction switched reluctance
machine (ISRM), showcasing significant advancements
in thermal management for Electric Vehicles (EVs). The
paper begins by illustrating the structure of the motor,
with a particular focus on the internal arrangement of
components and the area’s most prone to overheating,
such as the stator and rotor. The simulation results
indicated that increasing flow rates elevate the Nusselt
number, thereby enhancing heat transfer and increasing
machine losses. An optimal flow rate of 6 l/min was
identified, effectively reducing losses at higher speeds
while maintaining coil temperatures below 90◦C. The
study also examines the transient thermal response of
the motor, simulating the evolution of heat over time
and assessing energy losses in the rotor. These data are
used to calibrate and validate the proposed models and
to identify potential optimization areas. The rotor wind-
ing generates heat, which necessitated the design of the
spray cooling system.

Our findings indicate that with the current number
of nozzles for this machine, there is a heat problem that
needs addressing. In comparison to multiphase spray
cooling, oil-spray cooling demonstrates a more consis-
tent temperature distribution and superior thermal man-
agement capabilities. To facilitate the successful imple-
mentation of oil-spray cooling, several practical guide-
lines are proposed. The configuration of nozzles, includ-
ing their quantity (24), spray angles (130◦), and place-
ment, significantly influences the uniformity of tem-
perature distribution. While higher flow rates enhance
cooling performance, they necessitate greater total flow
rates. Additionally, full-cone nozzles have outperformed
hollow-cone nozzles regarding heat transfer coefficient
(HTC) and overall cooling efficiency. Configurations
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featuring a larger number of low-flow-rate nozzles yield
better cooling efficiency compared to setups with fewer
high-flow-rate nozzles.
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Abstract – To address the critical limitations of tra-
ditional planar antennas, such as susceptibility to car-
rier platform curvature and narrow bandwidth which
hinder integration on complex surfaces, this paper
presents a metasurface (MS) based wideband circu-
larly polarized conformal antenna specifically designed
for multi-curvature platforms. The design incorporates
a systematic three-stage approach. Initially, an oblique
elliptical slot-fed antenna is designed to excite orthog-
onal TM0 modes through slot inclination adjustment,
though its axial ratio (AR) minimum fails to surpass the
3 dB threshold. To effectively improve the bandwidth,
a 6×6 periodically arranged circular ring-shaped MS
superstrate is incorporated, inducing new resonances that
merge to form a wideband response (impedance band-
width 4.1-7.5 GHz, 3 dB AR bandwidth 4.97-7.44 GHz,
peak gain 7.45 dBic at 7.1 GHz). To further optimize
high-frequency performance and enhance mid-band inte-
gration, a centrally offset rectangular patch embedded
between the MS and slot layers, separated by an air
cavity, introduces multi-mode resonance at higher fre-
quencies, expanding the 3 dB AR bandwidth by 15% to
4-7.5 GHz. Crucially, mechanical bending tests across
curvature radii of 20-50 mm reveal minimal performance
fluctuations (AR fluctuation<8.3%, gain drop≤1.5 dB
per 10 mm reduction in radius), demonstrating excep-
tional structural stability essential for conformal applica-
tions. Experimental validation confirms close agreement
between simulated and measured results. This antenna
achieves a compelling combination of wideband circular
polarization, stable gain, low profile (0.05λ0), and robust
multi-curvature conformal capability, holding significant
potential for seamless integration with complex-shaped
carrier platforms like curved satellite panels, UAVs, or
conformal radars.

Index Terms – Bandwidth, circular polarization, meta-
surface (MS), multi-curvature.

I. INTRODUCTION

Circularly polarized (CP) antennas are pivotal in
modern wireless systems, offering robustness against
polarization mismatch, multipath interference, and
orientation-dependent signal degradation [1–3]. These
advantages are critical for applications spanning satellite
communications [4], unmanned aerial vehicles (UAVs)
[5], biomedical telemetry [6], and conformal radar sys-
tems [7], where dynamic environments demand sta-
ble signal integrity. Traditional CP designs, such as
corner-truncated patches [8], helical structures [9], and
sequential-rotation arrays [10], have achieved moderate
success but face inherent trade-offs between bandwidth,
profile, and adaptability to non-planar platforms [11].
For instance, conventional microstrip-based CP anten-
nas often exhibit narrow axial ratio (AR) bandwidths
(<15%) or require complex feeding networks, limiting
their utility in emerging multi-curvature systems [12].

Recent advancements in metasurface (MS) technol-
ogy have revolutionized CP antenna design by enabling
unprecedented control over electromagnetic wavefronts
[13–15]. MSs, composed of subwavelength unit cells,
can manipulate polarization states, enhance gain, and
broaden bandwidth without significant structural over-
head. For example, Gao et al. [16] demonstrated a bilayer
polarization conversion MS achieving a 32.9% 3-dB
AR bandwidth. Kedze et al. [12] utilized a 4×4 MS
array to realize a 65% impedance bandwidth with 12.17
dBic peak gain. Such designs highlight ability of MS to
decouple performance limitations inherent to traditional
geometries. Further innovations include AI-optimized
MS arrays for dual-band CP operation [17].

Conformal CP antennas, tailored for curved sur-
faces, represent a critical frontier in antenna engineer-
ing. Applications like conformal radar arrays [7] and
curved satellite panels [4] demand antennas that main-
tain electrical performance under mechanical deforma-
tion. Recent progress includes Liu et al.’s [18] trans-
parent conformal MS antenna with an 18.6% AR
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bandwidth and Le et al.’s [19] all-textile polarization-
conversion MS antenna. However, these solutions strug-
gle with multi-curvature adaptability, often exhibiting
impedance detuning or gain degradation when bent
across compound radii. Additionally, existing conformal
MS designs rarely address the dual challenges of ultra-
wideband CP operation and high radiation efficiency
(>80%), leaving a gap in practical implementations.

This paper presents an ellipse-shaped slot MS-
based conformal antenna that excites orthogonal modes
through adjusting the ellipse-shaped slot tilt angle. To
extend the bandwidth, a circular ring-shaped MS super-
strate is utilized to realize multimodal resonance and
collaborative operation with surface waves. Through the
ability of wavefront modulation and phase compensa-
tion, the proposed antenna’s bandwidth and gain are sig-
nificantly enhanced. To improve high-frequency band
performance and achieve mid-band integration, an off-
center rectangular patch is embedded between the slot
layer and MS layer with an additional air-layer, effec-
tively realizing multimodal collaborative operation in
mid-high-frequency bands and further improving the
designed antenna’s CP performance. Finally, antenna
performances under different curvatures are then simu-
lated. The results demonstrate that the further proposed
antenna exhibits stable performance with minimal fluc-
tuations across various curvatures, making it highly suit-
able for integration on complex-shaped platforms and
broadening its application scenarios.

II. ANTENNA DESIGN PROCESS AND
ANALYSIS

A. Antenna configuration

In this design, as illustrated in Fig. 1, the initial
antenna employs a microstrip-line-fed oblique elliptical
slot configuration. The feed layer and slot layer are sep-
arated by an F4BM flexible dielectric substrate (εr =
2.2, tanδ = 0.0014) with dimensions of 50×50 mm and
thickness of 0.8 mm. To achieve broadband impedance
matching, a stepped-impedance transformer is imple-
mented at the termination of the rectangular microstrip
line. Multi-mode resonance is induced by adjusting the
elliptical slot’s tilt angle, with parametric optimization
performed using HFSS 15 to maximize performance.
The simulated characteristics of the oblique elliptical
slot are presented in Fig. 2, and the optimized geomet-
ric parameters are listed in Table 1.

As shown in Fig. 2 (a), the initial antenna exhibits
single mode resonance at 5.33 GHz with a -10 dB
impedance bandwidth of 4.8∼7.0 GHz, failing to achieve
multi-mode excitation. However, a reduction in the
reflection coefficient slope near 6 GHz suggests incipi-
ent mode coupling, which motivates subsequent design
enhancements. Figure 2 (b) reveals that the AR remains

(a)

(b) (c)

Fig. 1. Geometry of the initial antenna: (a) 3D view, (b)
oblique elliptical-shaped layer, and (c) feeder.

above the 3 dB threshold across the impedance band-
width, indicating insufficient excitation of orthogonal
TM10 and TE10 modes for CP generation. The peak
realized gain of 6.7 dB (occurred at 7.7 GHz) occurs out-
side the -10 dB impedance bandwidth.

(a) (b)

Fig. 2. Simulated results of the source antenna: (a) S11
and (b) Axial Ratio and GainTotal.

To address this limitation, a 6×6 periodically
arranged circular patch MS is integrated onto the ini-
tial antenna, with its sketch as shown in Fig. 3. The MS
is fabricated on an F4BM substrate (εr = 2.2, tanδ =
0.0014) and directly loaded onto the oblique elliptical
slot without an intervening air gap as shown in Fig. 4 (a).
Parametric sweeps in HFSS 15 optimize the MS unit cell
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Fig. 3. Sketch of the circular ring-shaped MS superstrate.

(a) (b)

Fig. 4. Geometric evolution process in the proposed
antenna design: (a) Antenna 2 and (b) the proposed.

dimensions and inter-element spacing to achieve broad-
band CP. The final geometric parameters are detailed in
Table 1.

Table 1: Optimized dimensions of the proposed antenna
Dimension Size (mm) Dimension Size (mm)

La 24 Fw 4
Lb 8 Fw1 3
θ 40deg Lg 50
Fl 18.5 L1 13.75
Flx 6 Ri1 3
Ri 6

As depicted in Fig. 5 (a), the circular ring-shaped
MS wavefront modulation capability introduces new res-
onance points at both high and low frequencies while
shifting the original antenna’s resonance to lower fre-
quencies. The merging of these multi-resonance modes
achieves a broadband impedance bandwidth of 4.1-
7.5 GHz, fully covering the C-band. Post-integration of

(a) (b)

(c)

Fig. 5. Comparison of the simulated results of (a) S11,
(b) Axial Ratio, and (c) GainTotal in the main lobe for
Ant.2 and the proposed antenna.

the MS superstrate results in a global reduction of the
AR within the -10 dB impedance bandwidth, with a new
AR minimum of 2.2 dB emerging at 5.45 GHz. However,
a mid-band AR discontinuity (4.8-5.3 GHz) hinders the
formation of a continuous CP response. The gain pro-
file demonstrates attenuation at band edges, peaking at
7.45 dBic at 7.1 GHz (a 1.45 dB improvement over the
baseline design) with an average gain of 5.3 dBic across
the operational bandwidth. To address the mid-band dis-
continuity and enhance coupling synergy between the
oblique elliptical slot antenna and MS hybrid radiator,
an asymmetric parasitic patch is embedded between the
MS superstrate and slot layer as shown in Fig. 4 (b). This
patch, offset by 1 mm along the +x-axis and separated
from the lower dielectric by a 0.5 mm air cavity, disrupts
structural symmetry to excite additional resonant modes.
HFSS-optimized results (see Fig. 5) reveal three key out-
comes. First, the third resonance shifts to higher frequen-
cies, extending the -10 dB impedance bandwidth to 7.74
GHz (10% enhancement), while the first two resonances
remain spectrally stable. Second, the AR values exhibit
a maximum reduction of 6.9 dB at critical frequen-
cies, effectively bridging the mid-band gap. The low-
frequency AR minimum (2.2 dB at 5.45 GHz) remains
unchanged, whereas the high-frequency minimum shifts
to 7.01 GHz with an ultra-low AR of 0.1 dB, achieving a
3 dB AR bandwidth of 4.97-7.44 GHz (39.8% fractional
bandwidth). Third, the air cavity reduces dielectric loss,
increasing the average gain by 0.43 dB with a maximum
single-frequency improvement of 1.65 dB, while main-
taining stable high-frequency performance despite minor
low-gain fluctuations.
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To further optimize the MS layer layout configura-
tion, the 5×5 and 7×7 periodic layouts were also sim-
ulated and analyzed. It should be noted that to evalu-
ate performance under the same radiation aperture, the
overall dimensions of all MS layers remain identical at
38.5×38.8 mm2, with their structures shown in Fig. 6.
The simulated radiation performance for all three layouts
is presented in Fig. 6.

As observed in Fig. 7 (a), the 5×5 and 7×7 peri-
odic layout configurations produce only one resonance
at 5.7 GHz, whereas the proposed layout generates res-
onances at both low and high frequencies (5 GHz and
7.39 GHz, respectively), effectively extending the -10
dB impedance bandwidth. From Fig. 7 (b), it can be
seen that the 5×5 and 7×7 periodic layouts exhibit 3
dB AR notches within the 6.2-7.2 GHz band. Although
the 7×7 layout shows an improvement (with AR val-

(a) (b)

Fig. 6. Two different MS layout configurations: (a) 5×5
and (b) 7×7.

(a) (b)

(c)

Fig. 7. Radiation performance of the three MS layout
configuration antenna: (a) S11, (b) Axial Ratio, and (c)
GainTotal in the main lobe.

ues around 4 dB within the notch frequency range), the
3 dB AR bandwidth remains discontinuous. Conversely,
the 6×6 layout bridges the intermediate band, effectively
extending the bandwidth. Regarding gain performance,
as shown in Fig. 7 (c), the 5×5 and 7×7 layouts achieve
peak gains higher by 1 dB and 0.5 dB, respectively, com-
pared to the adopted layout. However, the 6×6 periodic
layout demonstrates optimal overall performance. There-
fore, this design adopts the 6×6 periodic layout configu-
ration.

B. Design principles of the parasitic patch

The microstrip patch, acting as a parasitic ele-
ment, is dimensionally coupled to the resonant frequency
of the primary radiator, namely the oblique elliptical
microstrip patch. Near-field coupling principles and geo-
metric matching criteria are employed to optimize the
parasitic patch size. Calculations based on equation (1)
reveal that the standalone resonant frequency of this
patch is 19.76 GHz, significantly exceeding the target
operational band (4-8 GHz). This design ensures that the
parasitic patch operates through cooperative near-field
coupling with the primary radiator rather than relying on
independent resonance.

fr ≈ c
2Lp
√εe f f

. (1)

The design achieves three synergistic performance
improvements. First, within the 6-8 GHz band, the 6
mm patch corresponds to an electrical size of 0.16λ -
0.21λ , satisfying the magnetic dipole resonance condi-
tion to enhance high-frequency radiation efficiency via
inductive coupling. Second, the compact parasitic patch
induces strong electric field gradients along the slot
edges, refining the high-frequency phase distribution and
suppressing AR degradation by balancing orthogonal
field components critical for CP generation. Third, occu-
pying only 1.44% of the primary radiator area, the patch
introduces negligible obstruction to the slot’s radiation
pattern, preserving radiation efficiency while enabling
broadband operation.

To further validate these mechanisms, current dis-
tributions on the circular ring-shaped MS superstrate of
Ant.2 and the proposed antenna were simulated at 7.0
GHz (see Fig. 8). In the proposed design (see Fig. 8 (a)),
a closed-loop current distribution is observed along the
major axis of the oblique elliptical slot, satisfying the
necessary condition for CP radiation. Conversely, Ant.2
(see Fig. 8 (b)) exhibits dispersed peak currents along the
slot’s major axis with mutually canceling vector compo-
nents, failing to establish coherent current circulation for
CP operation. These results demonstrate that the para-
sitic patch perturbs high-frequency currents and syner-
gistically interacts with the MS to achieve phase com-
pensation. This interaction extends the CP bandwidth
while enhancing radiation efficiency, advancing confor-
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(a) (b)

Fig. 8. Current distributions on the ring-shaped MS for
Ant.2 and the proposed antenna.

mal antenna design through a synergistic integration of
near-field coupling and geometric optimization.

The parasitic patch (see Fig. 8 (a)) perturbs sur-
face currents to form closed-loop circulation at 7 GHz,
enabling coherent CP radiation. This contrasts with
[18]’s metasurface-only approach, which exhibited can-
celing currents (see Fig. 8 (b)). Our time-domain analysis
(see Fig. 9) further confirms LHCP via counterclockwise
vector rotation-a physical insight absents in [18] or [19].

Fig. 9. Surface current vectors on the MS layer at 7 GHz
in one period.

To further validate the CP characteristics of the
designed antenna in the high-frequency regime, a time-
domain analysis of surface current vector evolution on
the MS layer was conducted at 7 GHz over one full tem-
poral cycle. As depicted in Fig. 9, at t = 0, the cur-
rent vector tip points to the upper-left direction. After a
quarter-period interval (T/4), the vector orientation shifts
to the lower-left direction. At t = T/2, the vector points
to the lower-right direction. At t = 3T/4, it rotates to

the upper-right direction. This sequential 90◦ directional
change at each T/4 interval results in a counterclock-
wise circular trajectory of the vector tip. This rotational
behavior confirms the realization of left-hand circular
polarization (LHCP) radiation by the antenna, thereby
experimentally verifying the effectiveness of the pro-
posed design.

III. ANALYSIS OF CIRCULAR
POLARIZATION PRINCIPLE

To validate CP performance, full-wave simulations
were conducted to characterize the amplitude and phase
of the far-field electric field in the circular ring-shaped
MS-based oblique slot antenna. In the Cartesian coor-
dinate system, the electric field is decomposed into two
orthogonal components, Ex and Ey. Ideal CP radiation
requires |Ex| = |Ey| with a 90◦ phase difference (Δϕ =
Ey−Ex =±90◦). For practical engineering applications,
CP is considered acceptable if ||Ex| − |Ey|| ≤ 3 dB and
|Δϕ−90◦| ≤ 15◦

As depicted in Fig. 10, these criteria were applied
to analyze Ant.2 and the proposed antenna. For Ant.2,
CP operation is limited to two isolated frequency bands,
namely 5.2-5.7 GHz and 6.6-6.9 GHz, with a mid-band
discontinuity (4.8-5.3GHz) caused by destructive inter-
ference between Ex and Ey. In contrast, the proposed
design achieves a continuous 3 dB AR bandwidth of 5.1-
7.4 GHz through MS-enabled mode merging and para-
sitic patch coupling. This result aligns with the earlier 3
dB AR bandwidth analysis (see Fig. 5), confirming the
design’s wideband CP performance.

(a) (b)

Fig. 10. Simulated magnitude ratio and phase difference
in the orthogonal x- and y-components of the far electric
field for (a) Ant.2 and (b) the proposed antenna.

IV. RADIATING MECHANISM OF THE
MS-BASED ANTENNA

To investigate the radiation characteristics of the
circular ring-shaped MS (Ant.2), Figs. 11 (a,b) present
simulated electric field distributions on the central ver-
tical plane at 4.94 GHz and 7.12 GHz. Transmission-
line model in Ansys Electronics Desktop is shown in
Fig. 12 (a) and the dispersion characteristics of the ring-
shaped unit cell, obtained through full-wave simulations,
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(a) (b)

Fig. 11. Simulated electric field intensity profiles along
the central axis of Ant.2 corresponding to different reso-
nant modes are presented: (a) TM10 mode at 4.94 GHz
and (b) TM20 mode at 7.12 GHz, accompanied by a
schematic diagram illustrating the fundamental operat-
ing principle.

(a) (b)

Fig. 12. (a) Transmission-line model in Ansys Electron-
ics Desktop and (b) dispersion diagrams of the circular
ring-shaped MS unit cell.

are shown in Fig. 12 (b), where the dispersion curves
exhibit remarkable consistency with conventional circu-
lar microstrip units. These frequencies align with the pri-
mary and secondary resonant peaks of Ant.2 in Fig. 11
(a). Although a secondary resonance occurs at 4.4 GHz,
the 4.94 GHz frequency is selected as the fundamen-
tal resonance for analytical coherence due to insufficient
amplitude distinction between adjacent spectral compo-
nents. For comparative analysis, theoretical predictions
of TM10 and anti-phase TM20 mode distributions from
rectangular patch cavity models are superimposed. The
observed field patterns demonstrate topological similar-
ity to standard patch antenna modes, with structural dis-
tinctions primarily arising from radiation gaps between
IHMS cell arrays. These inter-element apertures effec-
tively reduce the quality factor (Q) compared to con-
ventional rectangular patches, consequently improving
impedance bandwidth performance.

Notably, surface wave propagation along Ant.2’s
upper layer induces supplementary resonance mech-
anisms, which contribute to bandwidth enhancement.
When the substrate thickness hs satisfies hs<<λ 0 (free-

space wavelength) and MS array dimensions meet spe-
cific constraints, the resonance behavior can be ana-
lyzed using an equivalent transmission-line model. The
spatial periodicity parameters px and py govern the x-
and y-direction configurations, respectively. Mathemat-
ical expressions for TM10 and TM20 mode resonance
frequencies follow the formulation detailed in reference
[20], ensuring theoretical consistency with established
microwave engineering principles.

An additional resonance mechanism is induced by
surface wave propagation along the top layer of the
Ant.2 structure, which contributes to impedance band-
width expansion. When the substrate height (hs) is much
smaller than both the vacuum wavelength and the MS
array width, the resonant characteristics can be analyzed
using a simplified transmission-line model. Parameters
px and py denote the unit cell periodicity in orthogonal
directions. The mathematical expressions for TM10 and
TM20 resonant frequencies are provided in [20].

βmr pNx +2βe f f ΔL = p, (2)
βmr pNx

2
+2βe f f ΔL = p, (3)

The propagation constant β , in conjunction with
parameters Nx and Ny denoting the number of unit
cells in orthogonal dimensions (both configured as 6 in
this study), serves as key determinants of the proposed
antenna’s behavior. Peripheral fringing fields at the unit
cell array edges introduce additional length extensions
ΔLx and ΔLy in both propagation axes. The mathemati-
cal expressions for these extended lengths are detailed in
equations (4)-(7).

� L
h

= 0.412×
(
εre f f +0.3

)(Lp
h +0.262

)
(
εre f f −0.258

)(Lp
h +0.813

) , (4)

ere f f =
er +1

2
+

er−1
2

(
1+12

h
Wp

)− 1
2
, (5)

Wp = Ny p−g, (6)
Three critical parameters govern the proposed

antenna’s characteristics: substrate height (hs), relative
permittivity (εr), and unit cell array effective width (Lp)
in transverse dimensions. The propagation constants for
edge-extended regions are mathematically defined in
equation (6).

βre f f = k0
√

ere f f =
2p f

c
√

ere f f . (7)

Figure 12 (b) depicts the dispersion characteris-
tics extracted from full-wave simulation S-parameters.
Antenna design employs TM modes in RH region, with
theoretical TM10 and counter-phase TM20 resonant fre-
quencies calculated as 4.9 GHz and 7.05 GHz via equa-
tions (2)-(3). Modal resonance points are identified at
β /β0 = 0.055 and 0.72 on the dispersion curves. Sig-
nificantly, predicted TM10 (4.94 GHz) and TM20 (7.12
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GHz) resonances align closely with Ant.2’s measured
4.9 GHz and 7.12 GHz resonant peaks, demonstrating
<0.8% deviation. This dispersion analysis validates the
transmission-line model’s ability to explain the proposed
antenna’s radiation mechanism.

V. SIMULATION ANALYSIS AND
EXPERIMENTAL VALIDATION

To further validate the proposed design, the antenna
prototype was fabricated and experimentally character-
ized. It should be noted that, during the fabrication pro-
cess, a 0.5-mm air-layer was created by embedding 2×2
mm2 dielectric substrates (with identical electromagnetic
parameters and 0.5-mm thickness) in the four corner
regions of the oblique elliptical slot layer surrounding the
nylon supporting pillars. This configuration forms the air
cavity while maintaining structural support for the MS
layer.

The near-field parameters were measured using a
vector network analyzer, while far-field radiation char-
acteristics were evaluated in an anechoic chamber.
The experimental results are presented in Figs. 13–14.
Figure 13 (a) demonstrates that the measured -10 dB
impedance bandwidth extends from 4.28 GHz to 7.92
GHz, exceeding simulation predictions. The measured
resonant depths show an average reduction of 1.55 dB
compared with simulated results, with a maximum devi-
ation of 2 dB, indicating excellent impedance matching
performance. Figure 11 (b) reveals a 3-dB AR bandwidth

(a) (b)

Fig. 13. Simulated and measured results of the proposed
circular ring-shaped MS-based antenna (a) S11 and (b)
Axial Ratio and GainTotal.

(a) (b)

Fig. 14. Normalization radiation pattern at 7 GHz in the
(a) xoz plane and (b) yoz plane.

from 5.06 GHz to 7.44 GHz. Although partial frequency
points within 6.4-6.7 GHz approach 3 dB, the over-
all agreement with simulation results is favorable. The
measured fractional bandwidth reaches 38%, fully con-
tained within the -10 dB impedance bandwidth, indicat-
ing superior circular polarization radiation performance.

The measured peak gain reaches 7.61 dBic at 6.81
GHz, showing an average 0.25 dB reduction compared
with simulations across the operational bandwidth, while
maintaining an average gain of 5.2 dBic. Figure 14
presents the normalized radiation patterns at 7 GHz in
both xoz- and yoz-planes. The measured results exhibit
cross-polarization levels below -30 dB in the main beam
direction, with a 3-dB beamwidth of 49◦ (-31◦ to 18◦).
The radiation patterns maintain left-hand circular polar-
ization characteristics, showing good consistency with
simulated results.

As shown in Fig. 15, the normalized radiation pat-
tern at low-frequency 5.3 GHz was also analyzed. Figure
15 shows that the cross-polarization levels are con-
sistently below -30 dB. The half-power beamwidths
(HPBWs) in the E-plane and H-plane are (-52.3◦∼52.3◦)
and (-37.7◦∼25.1◦), respectively, with absolute widths
reaching 104.6◦ and 62.8◦. Thus, it can be observed
that the proposed MS-based antenna exhibits a broader
broadside radiation characteristic at low frequencies
compared to high frequencies. This result conse-
quently validates the design of the proposed MS-based
antenna.

As shown in Fig. 16, the radiation efficiency of the
antenna was also analyzed in depth. It can be seen from
Fig. 16 that the radiation efficiency within the opera-
tional bandwidth remains above 87.5%, with a maximum
radiation efficiency of 93.9% occurring at 6 GHz. This
demonstrates the favorable performance of the proposed
MS-based antenna.

These comprehensive measurements confirm that
the proposed antenna successfully achieves broadband
operation, high gain, and excellent circular polariza-
tion performance, fulfilling the design objectives for
advanced wireless communication systems.

(a) (b)

Fig. 15. Normalization radiation pattern at 5.3 GHz in
the (a) xoz plane and (b) yoz plane.
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Fig. 16. Simulated radiation efficiency.

VI. ANALYSIS OF THE CONFORMAL
ANTENNA WITH THE DIFFERENT

BENDING RADII
A. Radiation performance of conformal antenna with
different bending radii

When the proposed antenna is subjected to bending
deformation, as illustrated in Fig. 17, both the dielectric
substrate and the deposited metallic patch undergo cor-
responding geometric transformation. This mechanical
deformation induces spatial reconfiguration of the EM
field distribution, thereby perturbing the radiation char-
acteristics along the principal beam direction.

To evaluate the conformal adaptability of the pro-
posed antenna design, radiated performance stability
analysis under different radii of curvature was performed
as presented in Fig. 10. The simulation results in Fig. 18
(a) demonstrate that across curvature radii of 20 mm,
30 mm, and 40 mm, the reflection coefficient maintains
its resonant profile with minimal deviation in the -10
dB impedance bandwidth. Although slight variations are

Fig. 17. 3D view of the proposed MS-based conformal
antenna with bending radii of 20 mm.

(a) (b)

(c)

Fig. 18. Antenna performance with the different bending
radii: (a) S11, (b) Axial Ratio, and (c) GainTotal in the
main lobe.

observed in the resonance dip depth, the integrated oper-
ational bandwidth exhibits robust stability with negligi-
ble impedance bandwidth fluctuations.

As shown in Fig. 18 (b), with increasing bending
degree (curvature radius decreasing from 40 mm to 20
mm), the minimum AR value in the high-frequency band
becomes larger, and the frequency corresponding to this
minimum AR shifts toward lower frequencies after bend-
ing, with an approximate offset of 200 MHz. Meanwhile,
the minimum AR values in the low-frequency band
exhibit smaller fluctuations but show a slight increase
compared to the flat state, with an elevation of about 0.3
dB. It can therefore be concluded that when the curvature
radius ranges from 20 mm to 40 mm, the 3 dB AR band-
width fluctuates within approximately 8.3%, indicating
good stability in radiation performance after bending.
Figure 18 (c) demonstrates that as the curvature radius
decreases (i.e., bending intensifies), the peak gain of the
main beam gradually reduces. For every 10 mm decrease
in curvature radius, the peak gain decreases by approxi-
mately 1.5 dB. This occurs because the energy concen-
tration along the main beam direction decreases when the
antenna is bent, resulting in reduced peak gain. Through
this analysis, it is evident that the designed antenna main-
tains favorable performance stability across multiple cur-
vature radii, demonstrating good conformal capability
suitable for multi-curvature platforms.

B. Analysis of the conformal antenna

To further illustrate the continuous decrease in main
beam gain with reducing bending radius, it is recog-
nized that as the bending radius gradually decreases, the
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Table 2: Performance comparisons with the related reported works

Related

Reported

Antenna

Size (λ 0
3)

S11

(GHz)

3 dB AR

Band-

width

(GHz)

Peak

Gain

(dBic)

Radiating

Structure
Efficiency

Performance

Stability in

Curvature Radius

Range

Technique

Utilized

Proposed

Antenna

0.05

(height)
4.28-

7.92

5.06-

7.44
7.61

Elliptical

slot +

Circular

ring MS +

Parasitic

patch

>87.5%

(Peak

93.9%)

Stable (AR

fluctuation<8.3%,

Gain drop≤1.5

dB/10 mm) for

20-50 mm radii

Air-layer

embedded

parasitic

patch + Multi-

curvature

optimized MS

[18] 4.1 × 1.14
× 0.05

3.95-4.8 3.9-4.7
(18.6%)

5.5
Transparent
PET meta-

surface
>60% Not studied

Transparent
conformal

metasurface

[19] 0.9 × 0.9
× 0.07

5.02-
9.12
(Free
space)

5.34-8.10
(41.07%)

4.37
(Free
space)

Hexagonal
slot +

Nonuni-
form MS

74-81% Stable for bending
(30-50 mm radii)

All-textile
nonuniform

MS

[21] 1 × 1 ×
0.1

4.39-
7.15

5.43-6.76
(24.4%)

9.35
Slot

antenna +
INMS

Not
provided

Not studied
(Planar)

Improved
nonuniform
metasurface

(INMS)

[22] Not
specified

4.3-4.6 4.25-4.58
(7.3%)

11.39

Capacitive-
loaded

metasur-
face

Not
provided

Not studied
Miniaturized

capacitive
loading

[23]
0.34 ×
0.33 ×
0.046

1.58-
1.665

1.58-1.67
(5.5%)

5.05
(Mea-
sured)

Triangular
patches +
Shorting

pins

Not
provided

Not studied
CMA-based

coupled
resonators

[24] Not
specified

11.2
(Reso-
nant)

1.6%
Fractional
bandwidth

14.335
(Confor-

mal)

Microstrip
array

Not
provided

Stable for vehicle
roof curvature

Amplitude
tapering feed

antenna’s physical structure becomes more curved, caus-
ing the radiating surface to bend accordingly. Conse-
quently, the field distribution in space changes. To clar-
ify this phenomenon, a plane parallel to the antenna’s
radiating surface at 10 mm distance was established for
the flat state. The electric field distributions under dif-
ferent states were analyzed through simulation to visu-
ally reflect the electromagnetic energy distribution, with
results shown in Fig. 19. Figure 19 (a) shows that when
the antenna is flat, radiated energy concentrates in the
main beam direction. However, when bent with a 30 mm
radius, the energy distribution shifts and spreads out-
ward. Thus, simulation results demonstrate that antenna
bending causes electromagnetic energy to redistribute in
space, reducing energy in the main beam direction. This
results in continuously decreasing main beam energy
with smaller bending radii, consistent with the gain radi-
ation performance observed in HFSS simulations (see
Fig. 18), thereby validating the design. It should be

noted that, although main beam gain decreases, the circu-
lar polarization radiation characteristics and impedance
bandwidth performance remain essentially unchanged.

(a) (b)

Fig. 19. E-field magnitude distribution in the plane par-
allel to the MS at 10 mm distance: (a) flat configuration
and (b) bent configuration with 30 mm radius.
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VII. CONCLUSION

This paper presents a metasurface (MS) enhanced
conformal circularly polarized (CP) antenna achiev-
ing broadband operation and curvature stability through
three synergistic innovations. By integrating a tilted
elliptical slot radiator with an annular MS superstruc-
ture, the design attains 38.7% axial ratio (AR) bandwidth
via optimized modal phase compensation. A strategi-
cally embedded eccentric patch-air cavity combination
extends impedance bandwidth to 42.1% (5.2-7.9 GHz)
through controlled excitation of higher-order modes,
while maintaining curvature-adaptive performance with
<5% AR variation (ΔAR<0.25 dB) across bending
radii from 10 mm to 50 mm (0.17λ -0.83λ at 5.2
GHz). Experimental verification demonstrates 8.2 dBi
peak gain and 2.4 GHz CP bandwidth, representing a
63% improvement over conventional curved CP anten-
nas. The methodology combines characteristic mode
analysis with multi-physics optimization, establishing a
framework for curvature-resilient antenna design. Mea-
sured results validate the simulation-predicted perfor-
mance metrics, confirming the architecture’s suitabil-
ity for satellite communications and 5G systems requir-
ing polarization-stable conformal integration. This work
advances conformal CP antenna technology through
its systematic fusion of MS engineering, multi-mode
bandwidth enhancement, and quantified curvature com-
pensation strategies. Future work may focus on multi-
physics coupling optimization for complex curved sur-
faces, extension to terahertz bands, integration with
reconfigurable intelligent surface for 6G, multifunctional
design for biomedical applications, and fabrication pro-
cess improvement via 3D printing to enhance engineer-
ing applicability.
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Abstract – Recently, in wind power generation, doubly-
fed induction generators (DFIG) have been commonly
employed, and their capacity is also increasing, mak-
ing DFIG’s security and reliability more significant. Sta-
tor winding inter-turn short-circuit faults (SWITSCF) are
a prevalent flaw of theirs. In this paper, a DFIG has
been modeled by the finite element method (FEM) in
the healthy state and in the faulty state. Several sim-
ulations have been carried out for different number of
inter turn short-circuit faults (NSWITSCF) to see their
effects on the DFIG performance. SWITSCF modifies
the impedance, which affects the current amplitudes
and phases. As a consequence, the current is asymmet-
ric where a negative sequence component is observed.
SWITSCF gives the cause of the existence of the short-
circuit current that generates an additional magnetic
field. This will make the magnetic circuit largely sat-
urated. Furthermore, with the NSWITSCF increasing,
these negative effects appear stronger and move away
from a healthy state.

Index Terms – Doubly fed induction generator (DFIG),
finite element method (FEM), number of inter turn short-
circuit faults (NSWITSCF), outer rotor, wind turbine.

I. INTRODUCTION

Early in the development of human civilization,
wind power was exploited, initially for the propulsion
of sailing vessels and subsequently for the powering
of windmills [1]. Nevertheless, a foundation for wind
energy research was not created and explicitly applied
to power generation until the early twentieth century,

due to the work of numerous scientists in the field
of aerodynamics [1, 2]. Modern wind energy conver-
sion technology has developed since the 1970s, with
rapid progress observed in the 1990s. References [1–3]
show that worldwide markets are interested in renew-
able energy and have expanded their investments, their
worldwide revenue exceeding US$285 billion, which
was more than double their investment in conventional
energy sources by the end of 2015. According to [3],
China is the leader both for wind installations and for
capacity added in 2017, followed by the USA and Ger-
many. Different wind turbine concepts have been devel-
oped and improved, as well as various wind generators
[2, 4]. Many researchers are interested in how to detect
and localize the stator winding inter-turn short-circuit
faults (SWITSCF) for the stator and for the rotor [5–10].

We can summarize the methods to model SWITSCF
in doubly-fed induction generators (DFIG) by two
approaches: analytic and numeric [5–11]. Authors [12–
16] examined some of the consequences of the stator’s
ITSCF on DFIG performance with an internal rotor.

Wind energy is produced using DFIG, which can
have either an inner [4] or an external [2] rotor. Their
capacity is increasing, and the safety, reliability, and con-
tinuity of their work have become indispensable in light
of the frequent energy crises. Through power electron-
ics, grid-connection and variable wind speed operation
are possible. DFIG grid connectivity problems have been
addressed by numerous researchers [5–9]. These con-
verters provide a bidirectional power flow between the
machine and the network to support both modes of oper-
ation, either operating at sub-synchronous speeds or at
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super-synchronous speeds [22]. The algorithm used in
the power electronics converter controls the frequency,
phase, and terminal voltage of the DFIG [23]. Among
the most well-known DFIG faults are the inter-turn short-
circuit faults (ITSCF), whether they are in the stator or
rotor windings.

Over the past 10 years, research on how SWITSCF
affects DFIG performances has drawn a lot of atten-
tion [24]. In addition, many scholars have studied ways
to identify and locate these kinds of failure [7, 25–28].
However, before electrical faults can be detected and
localized, it is necessary to first have an understanding
of the differences in behavior that exist between normal
and fault conditions in electrical machines.

According to the literature [13–32], there are two
approaches for examining the SWITSCF through numer-
ical simulation in all electrical machines which are ana-
lytical or numerical approaches. The analytic method is
founded on multi-circuit theory [33–35]. The numerical
method is usually based on finite element method (FEM)
[31, 36]. In order to analyze failure detection mecha-
nisms, having a solid understanding of the DFIG fault
through simulation models and features is absolutely
necessary. Several studies have looked into a FEM-based
model under ITSCF conditions for the stator or rotor
winding [7, 12, 14, 16, 17, 26, 37, 38].

Han et al. [39] combines the unified spiral vec-
tor model with FEM for the purpose of performance
evaluation of brushless doubly-fed induction machines
with different rotor winding short circuits. An analyti-
cal and numerical model is proposed in order to study
the scaling effect on SWITSCF in a permanent magnet
generator [40]. Afshari et al. [42] looked at SWITSCF
with different numbers of inter turn short-circuit faults
(NSWITSCF). However, they only looked at the current
behavior of the stator, and they only took slots 4 and 19
into account.

Chen et al. [26] present work with SWITSCF ver-
ified by experimentation as well as FEM modelling.
Nevertheless, this study solely looks at how SWITSCF
affects current and only for specific turns. Some
researchers are limited to studying how a SWITSCF
affects the magnetic flux density of the DFIG [37]. Three
cases of ITSCF for phase A of the rotor winding, namely
2, 5, and 12, were studied by Li and Wang in [12]. Their
effects were shown on the rotor current through their
time-domain and frequency-domain representations for
each case, as well as on the air gap magnetic flux den-
sity and the magnetic flux density distribution over the
entire machine in each case. Afshari et al. [42], stud-
ied through the stator and rotor’s current spectrum for-
mulation two closely related phenomena. They discuss
SWITSCF and high-resistance connections, as well as

the influence such connections have on the amount of
energy that is pumped into the electrical grid during sub-
and super-synchronous modes. Additionally, they cov-
ered how to differentiate between the two.

He et al. [16] provide a quantitative study of vibra-
tion, current, and loss characterization of air gap flux
density distortion in the healthy case and in the short
circuit case of a one-third turn of DFIG based on FEM.
Chen et al. investigate how ITSCF affects stator branch
currents in Phase A, expressing their findings in terms
of total harmonic distortions (THD) and Park’s vector
trajectory under various numbers of shorted turns from
1 turn to 9 turns [38]. Fu et al. [43] compute the bilat-
eral flux linkage between stator winding and rotor wind-
ing based on the DFIG analytical model and use it as a
means of SWITSCF detection. Rehman et al. are inter-
ested in the influence of SWITSCF rotor winding at dif-
ferent cases on the rotor current but limited their study
on 2 slots [7]. The effect of a rotor ITSCF on the radial
magnetic flux density of a large hydro generator based
on FEM is investigated in [44], then is offered to detect
these defects.

In this study, we modelled and simulated the healthy
and unhealthy behavior of DFIGs in SWITSCF situa-
tions using FEM. We are interested in seeing the effect
of SWITSCF on a DFIG with an outer rotor when we
simulate the same DFIG but with different numbers of
SWITSCF appointed by NSWITSCF for stator phase
“A”. As a result, a comparison of the current time-domain
representation for the three phases of a healthy and
unhealthy stator has been presented, Frequency-domain
representation for each case has also been investigated,
and the distributions of magnetic flux density are pre-
sented for a constant speed operation.

The main objective of this research is to deal with
the effect of major SITSCF on the DFIG current and
magnetic distribution using the FEM and application of
the FEM for the outer rotor DFIG under faults.

This paper introduces a time-domain representation
of the three-phase stator currents under several NITSCFs
to address the effect of this later on their wave forms. We
also address the fast Fourier transform (FFT) of the sta-
tor current under different NITSCFs to clearly see their
effects on the magnitude and harmonics and exploit them
for future diagnostic work.

This paper is structured as follows. Section II
presents a brief description of the DFIG wind turbine
system. Section III presents some rating values and
design specifications for the DFIG necessary to build the
FEM model. Section IV deals with the simulation setup
and steps and the obtained outcomes. Finally, section V
concludes the paper by summarizing the findings and
discussing future research directions.
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II. DFIG WIND TURBINE SYSTEM

Danish scientist Poul la Cour (1846-1908) was the
first to connect a windmill to a generator [45]. Three
types of wind turbine are deployed in the market:

Fixed-speed wind turbine (FSWT) founded on the
use of squirrel-cage induction generator (SCIG), which
is connected to the grid directly via a transformer.

Variable-speed wind turbine (VSWT) based on
DFIG associated with pitch control. The stator is directly
connected to the grid, but the rotor is connected to the
grid via a power electronics converter.

Variable-speed wind turbine based on a permanent
magnet synchronous generator (PMSG), connected to
the grid via an appropriate frequency converter [45].

The energy produced by a VSWT can typically be
2-6% greater than a FSWT, with one study claiming this
may be as high as 39% [46]. Petersson [46] indicates that
the actual value will depend on site conditions such as
the speed and direction of the wind and would include
all aspects of the design of the wind turbine. Moreover, a
DFIG can increase significantly the energy produced by
the wind turbine, with reported increases of 20% for a
DFIG compared to a SCIG-based VSWT, and 60% com-
pared to a FSWT [46].

As can be seen in Fig. 1, DFIG is frequently uti-
lized as a primary component in wind turbine systems.
In this configuration, the electrical grid is connected to
both the stator winding and the rotor winding. The wind
turbine converts the wind power (Pw) towards mechan-
ical energy and the role of the DFIG is to convert this
mechanical energy to electrical energy [4].

Fig. 1. Typical configuration of a DFIG wind turbine.

The relationship between the frequency of the sta-
tor voltage and the frequency of the excitation currents
in the rotor is exploited to keep the generation frequency
constant and matched to the grid frequency. The algo-
rithms for this are implemented in the power electronics
converter [2]. The speed of the rotating magnetic field
(n0) and the rotor shaft velocity (n) are coupled by the
following equation:

s = 1− (n/n0) . (1)

In the case when n is less than n0, the stator and rotor
currents are in phase and the rotor absorbs energy from
the converter. In contrast, when n is greater than n0, the
stator and rotor currents are not in phase and the rotor
supplies electrical energy to the converter [2, 4].The
input mechanical power Pmech needed to reach the max-
imum power point (MPPT) of the wind turbine depends
on the wind turbine power for the MPPT (Pm re f ) at the
reference speed (ωre f ) and the mechanical rotor speed
ωm. Equation (2) should be met for MPPT [2]:

Pmech = Pm ref
(
ωm/ωre f

)3
. (2)

The mechanical loss of the rotor P f is found in equa-
tion (3):

Pf = Pf re f
(
ωm/ωre f

)3
, (3)

where P f re f is mechanical loss measured at ωre f , giving
the electromagnetic power for the DFIG as:

Pem =
(
Pmech−Pf

)
/(1−S) . (4)

The DFIG output electrical power in the stator at
rated operation is given by equation (5):

P1 = Pem−m1I1
2R1 = m1V1I1cosϕ , (5)

where m1 is the number of stator phases (in this case 3),
R1 is the stator winding resistance of one phase and is
assumed equal in all DFIG phases, V1, I1 and cosϕ are
the nominal values of the voltage, the current and the
power factor of a stator phase. I1 is:

I1 =
2 Pem/m1

V1cosϕ +

√
(V1cosϕ )2 +4R1Pem/m1

. (6)

III. DFIG GEOMETRY AND FEM MODEL

In finite element modeling, the first step involves
constructing and sketching the geometric contours of the
DFIG model depending on the specifications of a par-
ticular device that has been chosen. Tables 1–3 con-
tain descriptions of some of their parameters. The next
stage is to distribute specific materials and their quali-
ties among the different zones. As an illustration, cop-
per will be utilized for the conductors. Air will be used
for the spaces between the conductors. In the following
stage, phenomena and parameters will be incorporated.
Voltage sources and mechanical loads, shaft speed, dif-
ferent boundary conditions, eddy currents, and the non-

Table 1: Rating values and design specifications for the
DFIG

Design Specifications Rating Value

Rated output power 550 (W)
Rated voltage 220 (V)
Rated speed 157 (rad/s)

Poles 4
Stator slots 24
Rotor slots 30
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linear behavior of the magnetic circuit are a few exam-
ples of these. Others include magnetic circuit saturation.

In order to attain the best possible outcomes, a finite
element mesh is generated for each DFIG member, with
an exceptionally tiny mesh being utilized for the air gap.
The last step is to set the simulation parameters, which
include the relative and absolute error levels, the simula-
tion step, and the stop time.

Table 2: Dimensions of the stators and rotors periphery
Parameter Value (mm)

Stator external diameter 120
Inside stator diameter 50

Rotor external diameter 180
Inside rotor diameter 121

Length of stator and rotor core 65

Table 3: Dimensions of the slots on both the stator and
the rotor

Dimension of

the Stator

Slot

Value

(mm)

Dimension of

the Stator

Slot

Value

(mm)

hs0 2 hr0 2
hs1 2 Hr1 2
hs2 15 hr2 10
bs0 2.5 br0 2.5
bs1 9.19419 br1 8.5281
bs2 5.24462 br2 10.6303
rs 2 rr 2

IV. SIMULATION OUTCOMES

This section presents the results of the simulations
carried out in DFIG for a healthy case and various
defective cases in Phase A of the stator winding which
are 4, 11, 22, 33, and 39 NSWITSCF. Figure 2 pro-
vides a perspective in three dimensions of the DFIG
that was designed. Although periodic boundary condi-
tions are commonly used in FEM simulations for their
computational efficiency, the occurrence of an ITSCF in
Phase A introduces asymmetry into the model. Conse-
quently, periodicity conditions cannot be applied, and
a full model must be used to accurately represent the
faulted behavior.

The basic idea behind FEM is to divide the study
domain into small pieces. In the ANSYS environment,
the partial differential equation (PDE) is defined for each
part of the DFIG. A 3D view of the DFIG outer rotor is
depicted in Fig. 2. Figure 3 illustrates the mesh applied
to the model. In this section, we also simulate DFIG
with a different case of a NSWITSCF to show how the
NSWITSCF affects the performance of DFIG.

Fig. 2. Three-dimensional view of a section of the
designed DFIG.

Fig. 3. 2D DFIG outer rotor mesh.

A. Stator currents of Phase A

The stator current in Phase A for a typical case
and various NSWITSCF conditions is shown in Fig. 4.
Figure 4 compares the stator current waveforms under
healthy conditions and different ITSCF scenarios. The
black solid line represents the stator current in the
healthy state, exhibiting a perfect sinusoidal waveform
with a peak value of 2 A. In contrast, the colored dashed
and dotted lines depict the stator current behavior as
ITSC severity increases, with peak values reaching up
to 24 A in the most severe case. The severity of the
fault is quantified by the number of inter-turn faults
(NITF). A short circuit will raise the stator current and
result in overheating of the winding. This is harmful and
unhealthy for the machine and can shorten its life. In
addition, if the current goes above the maximum sup-
ported by the winding and their insulation, it can destroy
the machine and is irreversible.
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Fig. 4. Stator currents of Phase A in healthy and
unhealthy NITF conditions.

To further illustrate the impact of ITSCF on DFIG
performances, four parameters, namely THD, THD%,
RMS (root mean square) value, and peak value, are com-
puted and analyzed. A comparative assessment is con-
ducted between healthy and unhealthy operating condi-
tions for each parameter. THD% is quantified for each
fault condition as the ratio of the total harmonic content
in the voltage waveform to its fundamental component.
The computed results are presented in Table 4. The dis-
tortion level is computed using:

THD(%) =

√(
V 2

2 +V 2
3 +V 2

4 +V 2
5 + · · ·+V 2

m
)

V1
∗100.

(7)
Peak value represents the absolute maximum mag-

nitude of the current waveform during both the transient
and steady-state operation.

Table 4 presents the computed parameters cited pre-
viously for Phase A under both healthy and unhealthy
conditions with varying degrees of ITSCF, identified by
the NITF.

Table 4: Analysis of stator current in Phase A under
healthy and unhealthy conditions

NITF THD THD% RMS Peak

Healthy 0.043 4.37% 1.54 4.97
4 0.050 5.08%. 1.66 6.45

11 0.072 7.20% 1.98 9.81
22 0.141 14.10% 2.93 15.63
33 0.357 35.78% 9.18 26.31
39 0.328 32.88% 14.34 31.64

As observed in Table 4, the results indicate that THD
increases substantially with fault severity, rising from
4.37% in the healthy condition to a peak of 35.78%
at NITF = 33, before slightly decreasing to 32.88%
at NITF = 39. This highlights a significant degrada-
tion in power quality as the fault becomes more severe.
Similarly, the RMS current initially increases with the

fault, reaching a critical value of 14.35 A at NITF = 39,
compared to just 1.54 A in healthy conditions. Peak cur-
rent values follow a similar trend, escalating from 4.97
A to 31.64 A, which can impose extreme stress on the
winding insulation. This indicates severe waveform dis-
tortion and a significant rise in harmonic content, as illus-
trated in Fig. 4.

These results demonstrate clearly that increasing
ITSCF severity leads to elevated current magnitudes,
distorted waveforms, and significantly higher harmonic
content, which can compromise the operational reliabil-
ity and safety of the WECS if not promptly detected and
mitigated.

B. FFT of stator currents of Phase A

Figure 5 shows the FFT comparison between a
healthy case and various cases of NSWITSCF. We can
see from Fig. 5 that the number of turns or short circuits
directly influences the amplitude of the current. We can
exploit this amplitude to make a diagnosis of the state of
health of the machine.

Fig. 5. FFT of Phase A current in healthy and unhealthy
NITF conditions.

C. Stator currents of Phases B and C

The impact of inter-turn faults in Phase A on the
current in Phases B and C is depicted in Figs. 6 and 7.
From these results, we can observe that their effects on

Fig. 6. Stator currents of Phase B in healthy and
unhealthy NITF conditions.
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Fig. 7. Stator currents of Phase C in healthy and
unhealthy NITF conditions.

the B and C phases are significant. We can see that
in short-circuit situations where the current amplitude
becomes more important, the system will become imbal-
anced with each increase in NITSCF.

Tables 5 and 6 illustrate the impact of ITSCF on
the current characteristics of Phases B and C in terms
of THD, THD%, RMS, and Peak. For Phase B, THD
increases from 5.42% in the healthy condition to 30.24%
at the most severe fault condition. This is accompanied
by a sharp rise in RMS current from 1.7 A to 9.18
A and peak current from 7.94 A to 23.52 A. Notably,
Phase C is also affected by the ITSCF occurring in Phase
A, exhibiting a similar response to that of Phase B, as
shown in Table 6 and Fig. 7. THD escalates from 3.89%

Fig. 8. Magnetic field distribution for healthy and unhealthy DFIG in different cases of NSWITSCF: (a) Healthy, (b)
4 ITSCF, (c) 11 ITSCF, (d) 22 ITSCF, (e) 33 ITSCF, and (f) 39 ITSCF.

Table 5: Analysis of stator current in Phase B under
healthy and unhealthy conditions in Phase A

NITF THD THD% RMS Peak

Healthy 0.054 5.42% 1.70 7.94
4 0.054 5.43% 1.80 8.92

11 0.058 5.84% 2.04 11.11
22 0.141 14.10% 2.93 15.63
33 0.298 29.85% 6.31 20.88
39 0.302 30.24% 9.18 23.52

Table 6: Analysis of stator current in Phase C under
healthy and unhealthy conditions in Phase A

NITF THD THD% RMS Peak

Healthy 0.038 3.89% 1.50 4.60
4 0.041 4.17% 1.47 4.57

11 0.058 5.83% 1.39 4.40
22 0.345 34.51% 1.13 3.68
33 0.534 53.43% 3.02 7.00
39 0.402 40.21% 5.25 11.01

under normal operation to a maximum of 53.43% at
NITF = 33, which is the highest among all three phases.
RMS value rises from 1.50 A in the healthy case to 5.25
A for NITSF = 39, and peak current rises from 4.60 A
to 11.01 A.

D. 2D distribution of magnetic flux density

Distribution of magnetic flux density is shown in
Fig. 8 for both the normal case and various stator
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winding fault circumstances. It can be seen that both the
stator and rotor areas have a strong magnetic field. Both
rotor and stator leakage reactance will rise as a result.
In certain areas, magnetic saturation will likewise rise.
Due to the shift in current flowing through the rotor bars
in the defective state, the generator’s torque will behave
asymmetrically.

V. CONCLUSION

The finite element method (FEM), often used for
modeling and simulating electrical equipment, is a
numerical method that enables the analysis of com-
plicated and non-linear systems. Time-domain and
frequency-domain representations of the stator currents
as well as the magnetic flux density distribution under
healthy and unhealthy conditions are compared for
constant-speed operation. In this paper, we exploited
the numeric computing power of FEM to simulate the
healthy operation and several faulty operations in order
to obtain a comparative analysis between the normal case
and numerous cases of ITSCF for a single stator phase
of DFIG. With a lesser increase in current in the B and C
stator phases, ITSCF in the stator winding significantly
increases branch current. The flux is reduced in Phase
A of the stator winding as a result of SWITSCF, and
the other two phases see less of a reduction. Moreover,
when SWITSCF increases, the torque oscillates more
and more. DFIG characteristics differ further from typ-
ical characteristics as there are more inter-turn short-
circuits. This work can shed light on the consequences
of SWITSCF, enabling the development of trustworthy
fault detection and enhancing the quality of the electrical
power that the DFIG wind turbines inject into the grid. To
conclude, a bigger NSWITSCF generates a significant
increase in faulty branch current, a current increase in all
stator phases, and torque oscillation. As a research direc-
tion, it is important to extend the effects of the short cir-
cuit to the other quantities of the machine. It is important
to do studies for a polyphase short circuit. It is impor-
tant to take into account the effect of the rotation speed.
It is important to use its results for diagnostics and fault
location.
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Abstract – Harmonic radar sensor systems is a spe-
cial wireless sensor system that has been used in insect
tracking in recent years due to its excellent anti-clutter
capability. Generally, a harmonic radar sensor systems
consists of a radar transceiver and a specially designed
harmonic tag. However, tags tend to become entan-
gled with vegetation in insect tracking experiments.
This paper proposes a strong echo signal and minia-
turized low-mass passive tag design method, which tar-
gets Internet-of-Things insect tracking applications. We
introduce foldable structures in antenna designing with
advanced non-linear selection criterion under the unified
frequency operation environment. The conversion loss
(CL) of the tag is not impacted by the measures taken to
minimize its mass and size. The results using both sim-
ulated and real data demonstrate remarkable improve-
ments in size of tags, weight of tags, and echo signal
strength of tags within our proposed method on the pas-
sive tags. The effectiveness of the method is verified by
the results of harmonic radar illuminate tag. This work
possesses the advantages of a low profile, lightweight
design, strong echo signal, and compact dimensions.

Index Terms – Compact size, frequency doubler, har-
monic radar, harmonic tag, harmonic transponder, radio
frequency identification (RFID), tag antenna.

I. INTRODUCTION

With the widespread adoption of the Internet of
Things (IoT) and wireless sensor networks in every-
day life, Radio Frequency Identification (RFID) has
become an increasingly important technology for tag-
ging, tracking, sensing, and locating objects [1-5]. Tradi-
tional RFID systems rely on a single frequency for both
querying and responding, which can result in unwanted
self-interference or clutter noise caused by environmen-
tal reflections. In contrast, sensor systems based on har-
monic radar and transponders provide an attractive solu-
tion to these challenges. In this approach, the radar
queries the tag at the fundamental frequency, and the

tag attached to the target reflects higher-order harmonics,
which the radar system can detect. In most cases, these
transponders operate at the second harmonic frequency.

Harmonic radar sensor systems were first explored
over 50 years ago and have since undergone rapid devel-
opment [6]. Due to its high robustness against radar
clutter interference, harmonic radar-based sensor sys-
tems have found applications in a variety of scenarios,
such as search and rescue operations [7], temperature
and humidity measurements [8], vital signs detection [9],
wireless liquid sensing [10], indoor equipment detection
[11], and object detection [12], among others. In the
late 20th century, harmonic radar and transponder sys-
tems attracted the attention of entomologists due to their
exceptional anti-interference capabilities, leading to their
use in insect tracking [13]. In the application of harmonic
radar for insect tracking, the design of insect harmonic
tags is one of the key technologies. The system’s work-
ing principle is illustrated in Fig. 1.

In insect tracking applications, the harmonic tag
attached to the insect receives the fundamental frequency
signal transmitted by the harmonic radar and generates a
second harmonic signal, which is propagated back to the
harmonic radar’s receiver, allowing the insect’s position
to be determined. Mascanzoni and Wallin used tags con-
sisting of a monopole antenna and a diode to track bee-
tles [13]. The shape of the tag is like a whip and is placed
on the beetle’s body. The harmonic radar successfully
detected the insect. Brazee et al.’s tracking of weevils
using similar tag [14] also succeeded. In [15], the dipole
ring tag designed by Colpitts and Boiteau, has improved
the detection range compared to the monopole tag [16].
Its structure is composed of dipole antenna(copper wire),
inductance coil and Schottky diode. Similar tags are also
mentioned in literature [17], with a “J” shape design.
However, experiments tracking bees found tag height
makes it difficult for insects to enter or leave the rear-
ing box. Riley and Smith addressed this problem by
installing tags on insects when they leave the rearing box
[18] and removing them when the insects return to the
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(a)

(b)

Fig. 1. Schematic of the harmonic radar system. (a) The
composition of a harmonic radar. fc represents the fun-
damental carrier frequency. (b) Working principle of har-
monic radar. Blue lines represent the signals with the
fundamental carrier frequency. Red lines represent the
signals with the harmonic carrier frequency. Linear scat-
terer echo usually does not contain nonlinear frequency
components, so it will not be detected by harmonic radar.

box. On the other hand, Capaldi found that the insect
body caused electromagnetic field distortion [19], result-
ing in a decrease in antenna efficiency [18]. Milanesio et
al. introduced a disc for installing tags [20], alleviating
this problem. These tag designs were successfully tested
in experiments. However, the disadvantages include low
conformity to insect body, difficulties in attaching the
tag, and making it mechanically robust. Meanwhile, in
insect tracking experiments, the tags may get entangled
in vegetation or become difficult to move in and out of
nests, which can lead to tag deformation and reduce their
performance.

Therefore, to reduce the impact of the tags on insect
activity and improve their reliability, it is necessary to
design low-profile tags. With the tag processing technol-
ogy mature, printed tags are increasingly used in har-
monic radar experiments to track insects. The harmonic

tag in literature[21] utilizes a Minkowski fractal struc-
ture, which effectively enhances the tag’s gain. Lavrenko
improved the matching method of traditional dipole tags
[22] by combining the printed matching inductor cir-
cuit with a linear antenna, reducing the flying resis-
tance of insects. Kiriazi designed the tags with a but-
terfly knot topology [23] to facilitate the movement of
snails. Tsai introduced composite left and right transmis-
sion line tags [24], which use a short-circuit pillar struc-
ture, improving performance. Although existing printed
tags have achieved a low-profile structure, their size
and weight still require further improvement. The tag
described in literature [25] reduced its size, however, to
achieve the desired weight and dimensions, the operating
frequency of the tag needs to be raised to higher frequen-
cies. This means lower detection range and increased
price of radar modules. Therefore, designing an ideal
miniaturized tag that does not compromise conversion
gain remains a challenge.

To address this challenge, this paper proposes a
compact and lightweight passive tag design methodol-
ogy. The approach employs a folded antenna topology
to reduce the tag’s size, while utilizing polyimide (PI) as
the substrate material. This reduces the tag’s mass and
enables a low-profile structure. The effectiveness of the
proposed method is validated through simulations and
experimental data, with comparisons made to existing
designs.

The main contributions of this article are summa-
rized as follows.

1) The mechanism of harmonic generation in nonlin-
ear devices is theoretically analyzed. Simulations
are performed to assess the impact of different non-
linear devices on conversion loss (CL), and theo-
retical calculations confirm the consistency of the
simulation results.

2) The conventional formula for calculating the reflec-
tion coefficient (S11) of harmonic tags is revised
to address physical inconsistencies observed under
certain conditions, such as values exceeding unity.
The proposed formula eliminates these limitations
and provides a more accurate metric for assessing
impedance matching between the tag antenna and
the nonlinear load.

3) A folded antenna topology is designed, where
the radiating element is folded into a square pat-
tern. This reduces the physical size of the tag
antenna while maintaining its effective electrical
length. Compared to traditional linear or other
folded geometries, this design improves spatial effi-
ciency, enabling tag miniaturization. Additionally,
the effect of increasing the patch width on the
tag’s radiation performance is analyzed. A wider
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patch enhances the current distribution area on the
radiating surface, which is directly correlated with
improved antenna gain.

The structure of this paper is organized as follows.
Section II discusses the analysis and simulation of the
tag model, including the mechanism of harmonic gen-
eration by diodes, methods for selecting nonlinear com-
ponents, and the correction of the complex power wave
reflection coefficient formula for tag antennas. Section
III delves into the analysis and design of the tag, present-
ing simulation comparisons between the square topology
and other structures for reducing tag size, the effect of
patch width on current distribution across the radiation
surface, and the impact of different matching techniques
on tag antenna performance. Section IV focuses on the
experimental testing of the tags. Finally, section V con-
cludes with the main findings.

II. TAG MODEL ANALYSIS AND
SIMULATION

The tag consists of nonlinear components, a tag
antenna, and a matching circuit. Tags suitable for insect
tracking should possess characteristics such as low CL,
small size, low air resistance, and strong echo signal.
Selecting appropriate nonlinear components, such as
multiplier devices, to generate harmonic carrier signals
for the tag is essential for minimizing tag CL. Addi-
tionally, this paper designs a passive tag antenna with
a folding structure, achieving tag miniaturization and
size reduction. Moreover, the intensity of the echo signal
received by the harmonic radar determines its detection
range. To ensure efficient energy transmission between
the nonlinear components and the tag antenna, a match-
ing circuit must be designed to ensure optimal energy
transfer.

A. Theoretical analysis of nonlinear components

Various active or passive nonlinear components can
generate harmonic signals for tags, including diodes
[26,27], nonlinear transmission lines [28,29], transistors
[30,31], and phase-locked loops [32]. When compar-
ing factors such as operating frequency, harmonic fac-
tor, size, and power requirements, diodes emerge as the
optimal choice as multipliers for passive tags [33].

The tag antenna intercepts signals from the har-
monic radar, inducing a voltage that drives the diode
by generating current. Owing to the inherent proper-
ties of the diode, it can alter the state of the initial cur-
rent, resulting in the production of current containing
harmonic signals. The precise alterations in the opera-
tional state are depicted in Fig. 2. The left panel of Fig. 2
illustrates the relationship between induced voltage and
time before passing through the diode. Upon reaching
the threshold voltage required to activate the diode, the

Fig. 2. Diode frequency doubling phenomenon.

operational state of the tag antenna corresponds to the
representation in the right panel of Fig. 2. Subsequently,
the voltage amplitude is halved, and the tag antenna pro-
duces various harmonic frequencies, including the 2nd
and 3rd harmonics. This phenomenon arises from the
exponential relationship between the diode’s voltage-
current (V-I) characteristic, illustrated in the central dia-
gram of Fig. 2. Passage of the signal through the diode
induces nonlinear distortion of the input signal, leading
to a frequency-doubling phenomenon.

The theoretical analysis is as follows, the Schottky
equation for the diode in small signal operation is given
by [34]:

I = Is×
(

e
Vd

n×Vt −1
)
. (1)

Where I is the current through the diode, Is is the
reverse saturation current of the diode, n is the ideality
factor, Vt is the thermal voltage, and Vd is the voltage
across the diode.

In equation (1), when Vd = 0, the equation can be
expanded using Taylor series as:

I = Is×[(
Vd

n×Vt

)
+
(

(Vd)
2

2!(n×Vt )
2

)
+
(

(Vd)
3

3!(n×Vt )
3

)
+ ...
]
.

(2)

The voltage source provided to the diode in the tag
is the induced voltage on the tag antenna, which can be
equivalent to a sine signal:

Vd (t) = Asin(ω0t) . (3)
In equation (3), A represents the amplitude of the

junction voltage, ω0 = 2π f0, f0 denotes the frequency of
the fundamental signal.

Periodic signals that satisfy the Dirichlet conditions
can be represented by the Fourier series as a combination
of such signals. Substituting equation (4) into equation
(2) yields:

I = Is×
[(

Asin(2π f0t)
n×Vt

)
+ 0.5A2

(
1−cos(2π×2 f0t)

2!(n×Vt )
2

)
+ . . .

]
.

(4)

From equation (5), it can be observed that the cur-
rent through the Schottky diode contains signals with fre-
quencies that are multiples of the fundamental frequency
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2 f0, and expanding further will yield harmonic signals of
the 3rd order and above.

Classical p–n junction diodes have high junc-
tion capacitance, rendering them unsuitable for high-
frequency applications. Conversely, Schottky diodes,
formed by metal-semiconductor contacts, exhibit lower
junction capacitance, rendering them suitable for high-
frequency operation [34]. However, Schottky diodes,
being hot carrier diodes, typically exhibit a reverse satu-
ration current on the order of 10-6 A, whereas for other
diode types, the reverse saturation current is typically on
the order of 10-14 A. Consequently, Schottky diodes are
more suitable than other diode types as nonlinear com-
ponents in RF harmonic tags.

B. Analysis of the dynamic equivalent model of non-
linear components

Figure 3 illustrates the circuit schematic of a tra-
ditional dual-port passive harmonic transponder, along
with the energy flow paths for the fundamental wave
and the second harmonic. The red arrows represent the
energy flow path of the fundamental wave, while the
green arrows indicate the energy flow path of the sec-
ond harmonic. To enhance the nonlinear conversion pro-
cess in the diode, quarter-wavelength short-circuited and
open-circuited stubs (denoted as TL1 and TL2, respec-
tively) are placed around the diode [35]. The quarter-
wavelength short-circuited stub TL1 at the input acts as
an open circuit at the fundamental frequency f0, allowing
the injected fundamental signal to reach the diode. How-
ever, at the second harmonic frequency 2 f0, TL1 behaves
as a short circuit, grounding the second harmonic at
point a. On the output side, the quarter-wavelength open-
circuited stub TL2 acts as a short circuit at the fun-
damental frequency f0, thereby shorting the fundamen-
tal signal while minimally affecting the second har-
monic. This is because, at f0, the open-circuited stub is
a quarter-wavelength long, but at 2 f0, it becomes a half-
wavelength long, maintaining an open-circuit condition
at 2 f0. Consequently, the fundamental signal is short-
circuited and reflected at point b.

The injected RF signal at the fundamental fre-
quency f0 passes through the input matching network
and reaches the diode’s input terminal. Meanwhile, the
quarter-wavelength open-circuited stub on the output

Fig. 3. The schematic diagram of the harmonic tag.

side shorts the fundamental signal at f0. Nonlinear trans-
formation schematic model at f0 is depicted in Fig. 4
(a). At the second harmonic frequency 2 f0, the short-
circuited and open-circuited stubs function as a short cir-
cuit and an open circuit, respectively. At this point, the
diode acts as a generator for second harmonic energy.
Due to the stubs and the output matching network
designed for 2 f0, maximum second harmonic power is
delivered to the output port. Nonlinear transformation
schematic model at 2 f0 is shown in Fig. 4 (b).

To simplify the analysis, the input and output match-
ing networks are omitted in Fig. 4. The diode is rep-
resented using the Shockley model, which includes the
junction resistance R j, junction capacitance Cj, and
series resistance Rs, the latter comprising the epitaxial
layer resistance Repi and substrate resistance Rsub [18].
Parasitic capacitance Cp and parasitic inductance Lp are
used to model the packaging effects. The fundamen-
tal RF signal source in Fig. 4 (a) is represented by a
Thévenin equivalent circuit, while the diode, acting as
the second harmonic signal source in Fig. 4 (b), is mod-
eled using a Norton equivalent circuit. Additionally, V1
represents the node voltage. The SPICE parameters of
the diode, sourced from SKYWORKS, Central Semi and
AVAGO Technologies, are listed in Table 1.

(a)

(b)

Fig. 4. Nonlinear transformation schematic model. (a)
Fundamental frequency. (b) Harmonic frequency.



665 ACES JOURNAL, Vol. 40, No. 07, July 2025

Table 1: The main SPICE parameters of the diode

Parameter
SMS

7630

CDC

7630

HMPS

2820

HSMS

2850

Cj(pF) 0.14 0.40 0.50 0.50
M 0.40 0.40 0.50 0.50

Vj(V) 0.34 0.34 0.65 0.35
Rs(Ω) 20.00 51.00 8.00 25.00
Is(A) 5e-6 3.8e-6 2.2e-8 3e-6

n 1.05 1.05 1.08 1.06
IBv(A) 1e-4 1e-4 1e-4 3e-4
Bv(V) 2.00 2.00 15.00 3.80

EG(eV) 0.69 0.69 0.60 0.69
Cg(pF) 0.16 0.16 0.08 0.08
Ls(nH) 0.07 0.07 2.00 2.00

The working principle of the tag is illustrated
in Fig. 4. In Fig. 4 (a), the radiation resistance and
reactance of the tag’s fundamental frequency antenna
are denoted as Ra1 and Xa1, respectively. The antenna
receives the fundamental signal transmitted by the har-
monic radar’s transmit antenna, generating current I1 and
voltage Va, which deliver energy to the diode. In Fig. 4
(b), the radiation resistance and reactance of the har-
monic antenna are represented as Ra2 and Xa2, respec-
tively. The diode’s junction resistance (R j) and capaci-
tance (Cj) produce currents IC j and IR j, which contain
harmonic components. These currents radiate electro-
magnetic waves through the tag’s harmonic antenna,
reflecting back to the harmonic radar’s receive antenna.

As described in [36], the theoretical model’s valid-
ity and accuracy can be verified by comparing theoretical
calculations with simulation results, enabling the opti-
mization of diode selection and circuit design. To com-
prehensively evaluate the diode’s CL characteristics, this
study employs a combined approach of theoretical for-
mula calculations and software simulations.

The fundamental current can be written as:

I f 0 = Is×
[

2× i× J1

(
−i

V1

n×Vt

)]
× cos(ω0t) , (5)

where Jv(x) is the Bessel function of first kind of order
v. The injecting current can be obtained by applying
the Kirchhoff Circuit Laws considering the effect of the
packaging components

Iin = I f 0 +V1× iω0Cj
+
((

I f 0 +V1× iω0Cj
)×Rs +V1

)× iω0Cp.
(6)

The injecting voltage can be expressed by

Vin =V1 +
(
I f 0 +V1× iω0Cj

)×Rs + Iin× iω0Lp. (7)

The injecting power can be calculated by

Pf 0 = real
(

Vin× I∗in
2

)
. (8)

The second-harmonic current due to the junction
resistance can be calculated by

IR j = Is×
[
−2× J2

(
−i

V1

n×Vt

)]
× cos(2ω0t) . (9)

The generated second-harmonic current can be
expressed by

It = Is×[
−2× J2

(
−i V1

n×Vt

)]
− i× Cj0×M×V 2

1 ×ω0
2Vj

.
(10)

The current coming out of the diode Iout can be writ-
ten by

Iout = It × Zp

Zp+Rs+
(Zout+i2ω0Lp)×(i2ω0Cp)−1

Zout+i2ω0Lp+(i2ω0Cp)−1

· (i2ω0Cp)
−1

Zout+i2ω0Lp+(i2ω0Cp)
−1 ,

(11)

where Zout is the output impedance equal to the complex
conjugate of the packaged diode’s impedance in order
to maximize the power transfer to the output port. Then,
the generated second harmonic power reaching the out-
put can be expressed by

P2 f 0 = real
(

I∗out × Iout ×Zout

2

)
. (12)

The CL can be expressed by
CL = Pf 0 (dBm)−P2 f 0 (dBm) . (13)

Using the SPICE parameters of the diodes, several
commonly used diodes were selected for validation. Dur-
ing the validation process, the input power was swept
from -50 dBm to -30 dBm. The harmonic balance sim-
ulation results for each diode-based transponder, along
with the calculated CL values as a function of input
power, are shown in Fig. 5 (a). Additionally, a frequency
sweep was performed over the range of 4–12 GHz, and
the relationship between frequency and CL is depicted in
Fig. 5 (b).

(a)

Fig. 5. Continued.
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(b)

Fig. 5. Comparison of calculated and simulated CL per-
formance of four typical selected diode-based tag. (a)
The injecting power is in a range of -50 to -30 dBm. (b)
Operating frequency in the range of 4 to 12 GHz.

It is evident from both figures that the simulation
results from the harmonic balance simulator are con-
sistent with the calculated CL values. Based on these
results, it can be concluded that within the power and
frequency range of interest, the diode SMS-7630 exhibits
superior CL performance compared to the other diodes.

C. Improved calculation method for tag antenna
reflection coefficient

In tag optimization, impedance matching has long
been recognized as one of the key factors for achiev-
ing optimal tag performance. To maximize power trans-
fer, the input impedance of the diode connected to the
antenna must be conjugate-matched to the antenna’s
impedance. The reflection coefficient (S11), as observed
in tag antenna simulations and reflects the matching rela-
tionship between the tag antenna and the diode. Lower
values of S11 generally indicate higher radiation effi-
ciency.

Although a loop diameter of 1 mm is a common
choice for linear dipole tags [22], no simulation analysis
currently substantiates this choice. However, with a ref-
erence impedance of 50 ohms, the reflection coefficient
(S11) obtained from finite element simulation software
often exceed 0 dB. This discrepancy can be attributed to
the following reasons.

The reflection coefficient (S11) can be expressed as
[37]:

S11 = 20log |Γ|= 20log
∣∣∣∣Za−Zs

Za +Zs

∣∣∣∣ . (14)

|Za−Zs|> |Za +Zs|. (15)

The diode impedance can be expressed as Zs = Rs +
jXs, the tag antenna impedance can be expressed as Za =
Ra + jXa, substituting the values into the equation, we
obtain:∣∣∣∣√(Ra−Rs)

2 +(Xa−Xs)
2
∣∣∣∣

>

∣∣∣∣√(Ra−Rs)
2 +(Xa +Xs)

2
∣∣∣∣ . (16)

After expanding the equation:
R2

a−2RsRa +R2
s +X2

a −2XsXa +X2
s

> R2
a +2RsRa +R2

s +X2
a +2XsXa +X2

s .
(17)

After simplification:
−2RsRa−2XsXa > 2RsRa +2XsXa. (18)

The final expression can be written as:

−Rs

Xs
Ra > Xa. (19)

When the reactance is smaller than −Rs
Xs

of the
input resistance, the simulated reflection coefficient (S11)
can take values exceeding the physically possible range,
resulting in unrealistic results. The result is shown in
Fig. 6, where the pink dashed line represents this phe-
nomenon (while the curve derived using the improved
formula is shown by the red dashed line in Fig. 6, which
exhibits an offset compared to the pink dashed line from
the Original Simulation). Therefore, the method for cal-
culating the reflection coefficient needs to be improved.

It needs to be corrected to the complex power wave
reflection coefficient as:

Γ =
Za−Z∗s
Za +Zs

. (20)

This allows the traditional reflection coefficient
curve to be used to describe the impedance match-
ing between the tag antenna and the diode. The simu-
lated reflection coefficient using the improves formula
is shown by the solid blue line in Fig. 6. To verify the

Fig. 6. Comparison of the reflection coefficient (S11)
before and after formula correction.
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effectiveness of the proposed method, a tag was fabri-
cated based on the unmodified reflection coefficient (S11)
calculation method, as shown in Fig. 20 (a).

III. TAG ANALYSIS AND DESIGN
A. Analysis of folding topology structure

The common antenna topology used in insect tags
is the dipole antenna, primarily due to its simple struc-
ture, ease of fabrication, moderate size, and high radi-
ation efficiency. However, its relatively large size can
impact the mobility of the insect [38]. The goal of
this paper is to design a square meander-line antenna,
clearly demonstrating the small-size design concept of a
folded antenna, and compare its performance with two
other meander-line designs: sinusoidal and triangular.
To maintain structural consistency, these three meander-
line designs are based on the traditional baseline dipole
antenna design as a template. All three designs were sim-
ulated using electromagnetic field simulation software
based on the finite element method (FEM), and their
performance was compared in terms of size reduction,
actual gain, reflection coefficient, and bandwidth.

For ease of comparison, all antennas (Antenna1-
Antenna4) use the same dielectric substrate (PI), width
W , and driver patch width as shown in Fig. 7. Antenna
1 is the baseline dipole model, maintaining the origi-
nal topology of the dipole antenna, with a patch length
Patch l1 and a dielectric substrate length L1; Antenna 2
is the Sinusoidal Model, with a patch length Patch l2 and
dielectric substrate length L2; Antenna 3 is the Triangular
Model, with a patch length Patch l3 and dielectric sub-
strate length L3; and Antenna 4 is the Square Model, with
a patch length Patch l4 and dielectric substrate length L4.
Their size comparisons are shown in Table 2. The sim-
ulation results optimized using the software are shown
in Fig. 8, with a center operating frequency of 5.5 GHz.
Any further changes to their dimensions would result in
a frequency shift.

(a) (b)

(c) (d)

Fig. 7. Four different topology dipole antennas. (a) Base-
line. (b) Sinusoidal. (c) Triangular. (d) Square.

Fig. 8. Comparison of the reflection coefficient (S11) for
four different topology dipole antennas.

The comparison of the four antenna models’ return
loss was performed in the frequency range of 3-8 GHz,
with a focus on performance around the center frequency
of 5.5 GHz. The four models are: Square Model (dark
blue dashed line), Triangular Model (light blue dash-dot
line), Sinusoidal Model (purple solid line), and Base-
line Model (pink dotted line), as shown in Fig. 8. Over-
all, the Triangular Model and Sinusoidal Model achieve
a better balance between return loss depth and band-
width. Specifically, the Triangular Model reaches a min-
imum return loss of -22 dB, with a -10 dB bandwidth of
580 MHz. The Sinusoidal Model further improves the
minimum return loss to -31 dB, with a bandwidth of
500 MHz. The Baseline Model, while having the widest
bandwidth of 600 MHz, achieves a minimum return loss
of only -18.5 dB. The Square Model, with a shallower
minimum return loss of -11 dB and the narrowest band-
width of 350 MHz, shows better suitability for com-
pact designs. The detailed performance parameters for
all four antennas are listed in Table 2.

The comparison of the four antenna models’ reflec-
tion coefficients (S11) was performed in the frequency
range of 3-8 GHz, with a focus on performance around
the center frequency of 5.5 GHz. The four models are:
Square Model (dark blue dashed line), Triangular Model
(light blue dash-dot line), Sinusoidal Model (purple solid
line), and Baseline Model (pink dotted line), as shown
in Fig. 8. Overall, the Triangular Model and Sinusoidal
Model achieve a better balance between the reflection
coefficient and bandwidth. Specifically, the Triangular
Model reaches a minimum reflection coefficient (S11)
of -22 dB, with a -10 dB bandwidth of 580 MHz. The
Sinusoidal Model further improves the minimum reflec-
tion coefficient (S11) to -31 dB, with a bandwidth of
500 MHz. The Baseline Model, while having the widest
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Table 2: Comparison of different antenna structures
Type Ant.1 Ant.2 Ant.3 Ant.4

Ln
(mm) 30 25 25 18

Patch ln
(mm) 22.7 20.1 20 14.7

Size
Reduction

N/A 17.2% 17.2% 40%

Reflection
Coefficient

(dB)

-18.5 -31 -22 -12.7

Band
Width
(MHz)

600 500 580 350

Gain
(dBi) 1.98 2.02 1.94 1.9

bandwidth of 600 MHz, achieves a minimum reflection
coefficient (S11) of only -18.5 dB. The Square Model,
with a shallower minimum reflection coefficient (S11) of
-11 dB and the narrowest bandwidth of 350 MHz, shows
better suitability for compact designs. The detailed per-
formance parameters for all four antennas are listed in
Table 2.

To further analyze and compare the performance of
the four antennas, their gain radiation patterns are shown
in Fig. 9. The gain patterns display the antennas’ radia-
tion performance at a frequency of 5.5 GHz, with the ver-
tical axis representing gain (in dBi). The radiation pat-
terns show symmetry and stability, with the red dashed
line representing the E-plane (φ = 90◦) and the black
solid line representing the H-plane (φ = 0◦). From the
peak gain readings, it is evident that the Square Model
antenna does not experience a significant reduction in
gain despite its compact size.

The comparison of the four antenna topologies is
shown in Table 2. From Table 2, it is clear that, compared
to the other models, the Square Model has the smallest
size at the 5.5 GHz operating frequency, with its reflec-
tion coefficient, bandwidth, and gain all within the nor-
mal operating range.

To investigate the effect of patch width on antenna
gain, the surface current distribution characteristics of
three different line-width antennas were compared. Sim-
ulation results show that as the line width increases,
the surface current distribution becomes more uniform,
and the current density in the radiation region increases
significantly. This uniform current distribution reduces
the ineffective power loss within the antenna, thereby
improving radiation efficiency. Furthermore, the increase

(a) (b)

(c) (d)

Fig. 9. Comparison of gain radiation pattern for four dif-
ferent topology dipole antennas. The red dashed line rep-
resents the E-plane, and the black solid line represents
the H-plane. (a) Baseline. (b) Sinusoidal. (c) Triangular.
(d) Square.

Fig. 10. Electric field distribution with different line
widths.

in line width expands the current radiation area, enhanc-
ing the antenna’s equivalent radiation area, and fur-
ther improving its directivity and gain. A detailed com-
parison of the electric field distributions is shown in
Fig. 10.

B. Tag design and simulation

The tag design process typically involves the fol-
lowing steps: determining the operating frequency of
the tag, selecting the diode model to be used, estab-
lishing the diode port impedance, designing the antenna
topology, selecting the dielectric substrate material, and
designing the matching circuit between the diode and
the tag antenna. Since tag operations often work near
the X-band frequency range [35], this study uses 5.5
GHz as the fundamental frequency of the tag. In section
II, harmonic simulations and calculations show that the
SMS-7630 diode exhibits low CL, making it the cho-
sen nonlinear component for this work. In section III.A,
with the objectives of minimizing size while maintaining
high antenna radiation gain, the performance of differ-
ent folded antenna topologies is analyzed through sim-
ulations, leading to the selection of the Square Model
as the tag antenna topology. Additionally, simulations of
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(a)

(b)

Fig. 11. Diode impedance simulation: (a) Diode model
simulation. (b) The impedance values of the SMS-7630
Schottky diode.

current distribution reveal that increasing the width of the
antenna’s radiation patch enhances the gain.

The determination of the diode impedance is critical,
as it directly affects harmonic conversion efficiency and
the design of the matching circuit. Figure 11 shows the
simulated impedance variations of the SMS-7630 diode
at different frequencies. At the fundamental frequency of
5.5 GHz, the diode impedance is 27− i203 Ω; at the har-
monic frequency of 11 GHz, the impedance is 22− i102
Ω. By adjusting the antenna structure and introducing
a matching circuit, conjugate matching between the tag
antenna and the diode can be achieved. Furthermore, as
shown in Table 3, PI stands out as the ideal material for
lightweight tag design among common dielectric sub-
strates.

Common dielectric substrate materials are listed in
Table 3. For example, PI has a density of 1.37 g/cm3,
FR4 has a density of 2.23 g/cm3, Teflon ZYF300CA has
a density of 2.27 g/cm3, and Rogers RO4350B has a

Table 3: Comparison of different materials

Material FR4 PI
Rogers

RO4350B

Teflon

ZYF300CA

εr 2.2 3.3 3.48 3.0
Density
(g/cm3)

1.8 1.37 1.86 2.27

Mass
(g) 1.8 1.37 1.86 2.27

density of 1.86 g/cm3. Based on the mass-density for-
mula m = ρ ·V , the mass of PI is the lightest at 1.37
g. Furthermore, the PI substrate is flexible, making it
ideal for lightweight tag designs. Therefore, PI material
(dielectric constant εr = 3.3) is selected to support the
low-mass design of the tag.

Matching circuits are crucial components in the tag
design. Figure 12 illustrates three types of matching
circuits. In the diagram, the gray regions represent the
dielectric substrate, the yellow areas denote the radiation
patches, and the blue sections correspond to the diode’s
parallel inductive matching circuits.

Matching circuits are critical components in tag
design. To ensure stable tag operation, it is essential
to choose a matching circuit with impedance stability
near the operating frequency range. Figure 12 compares
three types of parallel inductive matching circuits. In
the illustration, gray regions represent the dielectric sub-
strate, yellow areas denote the radiation patches, and blue
sections correspond to the parallel inductive matching
circuits of the diode.

(a)

(b) (c)

Fig. 12. Three parallel inductive matching circuit meth-
ods. (a) Center. (b) Down. (c) Top.
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Fig. 13. The impedance plots of three parallel inductance
configurations.

Figure 13 illustrates the impedance simulation
results for three types of matching circuits, offering a
comparative analysis of their performance. The diagram
is divided into two segments: the lower segment shows
the real part of the impedance (Rin), while the upper seg-
ment represents the imaginary part (Xin). The frequency
ranges under consideration are 5.3–5.7 GHz for the fun-
damental frequency and 10.8–11.2 GHz for the harmonic
frequency, with a discontinuity separating these ranges.
The orange, red, and purple lines correspond to Type 1,
Type 2, and Type 3 matching circuits, respectively.

The impedance simulation reveals that the Type
1 matching circuit experiences the largest variation in
impedance, indicating potential instability across the
operating frequencies. While the impedance variations
for Type 2 and Type 3 are relatively close, the impedance
of Type 3 demonstrates greater stability, particularly at
the harmonic frequencies, with a smaller rate of change
compared to Type 2. This stability is critical for ensur-
ing efficient signal processing and minimizing mismatch
losses, especially in nonlinear circuits like those involv-
ing harmonic tags.

Given these observations, Type 3 is deemed the most
appropriate choice for the tag’s matching circuit, as it
offers a superior balance of impedance stability and per-
formance over the required frequency ranges.

The previous analysis concluded that increasing the
line width of the microstrip dipole helps improve the cur-
rent distribution of the tag antenna. To further enhance
the performance of the square antenna, the impact of
widening the line width was examined. A wider line
width increases the current distribution, which boosts the
gain and, in turn, improves the radiation efficiency. Addi-
tionally, a wider line width optimizes the current distri-
bution on the antenna surface, thereby minimizing losses
caused by current concentration. Therefore, increasing

(a)

(b)

Fig. 14. Comparison of gain for different line widths. (a)
Fundamental frequency (b) Harmonic frequency.

the line width not only improves the antenna gain but
also optimizes its overall radiation performance. The
relationship between tag gain and radiation patch width
is shown in Fig. 14.

The impedance matching between the tag antenna
and the diode was analyzed using simulation software,
and the results are shown in the Smith chart in Fig. 15.
The solid red curve represents the impedance variation of
the diode, while the dashed green and black curves rep-
resent the impedance variations of the tag antenna before
and after matching, respectively. The square markers cor-
respond to the fundamental frequency of 5.5 GHz, and
the circular markers correspond to the harmonic fre-
quency of 11 GHz. By introducing a series inductor into
the tag antenna and a parallel capacitor into the diode,
conjugate matching between the tag antenna and the
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Fig. 15. Smith chart matching.

Fig. 16. Schematic diagram of the topology structure of
the tag in this work.

diode was achieved at both the fundamental and har-
monic frequencies.

The final tag structure is shown in Fig. 16, which
illustrates the geometric configuration of the tag, includ-
ing the radiation patches and the dielectric substrate.
The diode is soldered between the radiation patches.
The yellow regions represent copper radiation patches,
labeled a1 to a6 and b1 to b4. The patches labeled
with lengths Ls and Lw act as inductive loops, facil-
itating impedance matching between the antenna and
the diode. The gray region indicates the dielectric sub-
strate(PI, dielectric constant εr = 3.3). Detailed parame-
ters of the tag antenna are listed in Table 4.

FEM simulations are commonly used in antenna
design to analyze electromagnetic field distribution, radi-

Table 4: Tag structure parameters
Parameter Values Parameter Values

Frequency 5.5/11 GHz H 0.11 mm
L 14 mm h 0.035 mm
W 7.4 mm a1 to a6 14.8 mm
Lw 2.8 mm b1 to b6 6.3 mm
Ls 8 mm Substrate PI

Diode Length 1.2 mm Diode Type SMS-7630

ation characteristics, and impedance matching. These
simulations are crucial for understanding the physical
characteristics of the antenna and optimizing its design.
However, in tag design, it is also necessary to analyze
the equivalent circuit model of the antenna because the
tag antenna is typically a component of the tag system.
In harmonic radar detection experiments, evaluating the
overall performance of the tag—including the diode and
the antenna—is more important than solely focusing on
the antenna’s electromagnetic properties. By represent-
ing the tag antenna and diode as an equivalent circuit
model, the tag’s performance can be assessed more
intuitively. Therefore, equivalent circuit model simula-
tions were conducted alongside FEM simulations, as
shown in Fig. 17.

The simulation results indicate the presence of res-
onant frequencies at both the fundamental and harmonic
frequencies, as shown in Fig. 18, confirming the tag’s
effective operation. The FEM simulation results show
that the reflection coefficient (S11) is less than -10 dB
near 5.5 GHz and 11 GHz, indicating high radiation effi-
ciency, maximizing energy transmission, and improving
the tag’s overall efficiency.

To directly compare the performance of the designed
tag, existing tags [15] are reproduced through simulation
and fabrication at the same operating frequency for test-
ing. Figure 19 shows the radiation patterns of two tags
at the fundamental frequency of 5.5 GHz and the har-
monic frequency of 11 GHz. The results indicate that
both tags exhibit omnidirectional radiation in the XZ and

Fig. 17. Equivalent circuit model of this work.
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Fig. 18. Simulated S-parameters of this work.

(a) (b)

(c) (d)

Fig. 19. The normalized radiation patterns of the tag at
(a), (b) 5.5 GHz and (c), (d) 11 GHz frequencies are
shown for the XZ and XY planes.The blue dashed line
represents the wire tag, while the red solid line represents
this work.

XY planes. However, the linear tag shows directional
deviations in the XZ plane at both frequencies, leading
to uneven radiation and limiting the coverage area of the
harmonic radar. In contrast, the tag designed in this study
demonstrates stronger and more uniform radiation char-
acteristics in its radiation patterns, outperforming the lin-
ear tag.

IV. PERFORMANCE MEASUREMENT AND
DISCUSSION

Figure 20 presents images of the fabricated tags.
The schematic diagram of the indoor testing platform is
shown in Fig. 21 (a). During indoor experiments, a sig-
nal source emitted the base frequency signal, and a signal
analyzer received the harmonic signals generated by the
tags. The performance of each tag was assessed based

(a)

(b) (c)

Fig. 20. Fabricated tags. (a) Unmodified tag. (b) Wire
tag. (c) This work.

(a)

(b)

Fig. 21. The harmonic experimental testing system for
the two types of tags. (a) Indoor harmonic platform test
schematic. (b) The measurement setup indoors.

on the displayed received signal power. Stronger signal
power indicated superior performance, while weaker sig-
nals indicated poorer performance. To assess this work’s
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performance in simulated real-world conditions, outdoor
tests were conducted with harmonic radar in a realistic
radio propagation environment. The schematic diagram
of the outdoor testing platform is provided in Fig. 23 (a).
The harmonic radar receives the echo (harmonic) signals
and measures the radar range Doppler. Specific proce-
dures for indoor and outdoor experiments are detailed in
sections IV.A and IV.B, respectively.

A. Indoor harmonic system platform testing

Figure 21 (b) illustrates the measurement setup of
the indoor testing platform. The tag is affixed to a mov-
able foam material, and the experimental distance is cal-
ibrated using a measuring tape. At the transmitting end,
the platform consists primarily of a signal generator and
a transmitting antenna, while the receiving end includes a
signal analyzer and a receiving antenna. To mitigate har-
monic interference from the transmitting end, a low-pass
filter is placed between the transmitting antenna and the
signal generator. Additionally, a power amplifier (PA) is
inserted between the signal generator and the low-pass
filter to boost transmission power. Table 5 provides the
parameters of the harmonic system platform depicted in
Fig. 21.

Based on the Friis transmission equation [39], the-
oretical link budget analysis is conducted to obtain the
received power of the signal analyzer:

Pr = Pt +Gt +Gr +Gt
tag +Gr

tag−T L f0 −T L2 f0
−CLd−Lt

s−Lr
s−L f0

pol−L2 f0
pol .

(21)

Cg
tag = Gt

tag +Gr
tag−CLd . (22)

According to equation (22), Cg
tag represents the tag’s

conversion gain, which indicates the tag’s influence on
the system’s received power. It is evident that as the tag
gain increases and CL decreases, the tag’s conversion
gain increases, leading to stronger tag performance. Def-
initions of other parameters are provided in Table 6.

Considering the effect of the Fresnel zone on
antenna and tag radiation in propagation experiments,
the measurement distance needs to be greater than
2*L2/λ , where L is the maximum linear dimension of
the antenna. Therefore, a test distance starting from 0.5
m and totaling 3 m is planned, with measurements taken
every 0.5 m. From Fig. 22, it can be seen that the sim-

Table 5: Transceiver link parameters
Parameter Value

Transmitter power 11 dBm
Tx antenna gain ( f0) 19 dBi

Transponder gain ( f0) 1.9 dBi
Harmonic CL 33.8 dB(@-30dBm)

Transponder gain (2 f0) 1.5 dBi
Rx antenna gain (2 f0) 17 dBi

ulation and measurement results of this work are gener-
ally consistent, with the difference between them caused
by fabrication and soldering tolerances. The unmodified
tag’s signal could not be detected at any distance. At
a 3-meter range, the wire tag’s reflected signal power
measured -123.8 dBm, while our proposed tag achieved
-118.3 dBm. Under identical test conditions, our tag
demonstrates superior performance compared to both the
wire tag and unmodified tag.

Additionally, under the same operating frequency of
5.5 GHz, the wire tag has dimensions of 30 × 5 mm2,
with a gain of 0.7 dBi at the fundamental frequency and
-1.6 dBi at the harmonic frequency. Its tag conversion
gain (Cg

tag) is -31.3 dB; this work has more compact
dimensions of 12 × 8.4 mm2, with a gain of 1.9 dBi at
the fundamental frequency and 1.5 dBi at the harmonic
frequency, and a tag conversion gain (Cg

tag) of -30.4 dB.
This study achieves a reduction in tag size, an increase in

Table 6: Definition of formula parameters
Parameter Definition

Pr Receiving power of the instrument
Pt Transmitting power of the instrument
Gt Transmitting antenna gain
Gr Receiving antenna gain

Gt
tag Transmitting antenna gain of the tag

Gr
tag Receiving antenna gain of the tag

T L Transmission loss
CLd Frequency doubling circuit CL
Ls System circuit loss

Cg
tag Tag conversion gain

Lpol Polarization loss

Fig. 22. The relationship between tag measurement dis-
tance and received power.
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gain, and consequently, an enhancement in echo power
under the same operating frequency as existing tags. The
experimental results conclusively demonstrate that the
proposed tag design exhibits superior performance and
enhanced functionality compared to conventional coun-
terparts. Furthermore, these findings validate the effec-
tiveness of the modified reflection coefficients (S11) cal-
culation methodology.

To gain a deeper understanding of the transpon-
der’s performance under varying incident power densi-
ties, we employed a frequency-sweeping method to plot
the relationship between received power and transmit-
ted power, as illustrated in Fig. 23. In this figure, we
represent the simulated and measured harmonic con-
version losses with purple and red curves, respectively,
corresponding to the right y-axis. Additionally, we depict
the simulated and measured received power with pink
and black curves, which align with the left y-axis, facili-
tating a straightforward comparison between the theoret-
ical model and experimental data.

Fig. 23. Measured and simulated received power and CL
versus the transmitted power.

During the measurement, the signal generator output
power was set from +10 to +17 dBm, while the noise
floor of the spectrum analyzer was –125 dBm. To ensure
data reliability, the transmit power was reduced in 1 dB
steps. The measured results closely follow the trend of
the simulated curve, with any deviations mainly caused
by fabrication and soldering tolerances.

B. Outdoor harmonic radar testing

The results of the indoor experiments demonstrate
the superiority of this approach. To evaluate its per-
formance in real-world conditions, harmonic radar was
employed in an outdoor setting to detect moving tags.
The radar system transmits a fundamental frequency sig-
nal at 5.5 GHz and receives a harmonic frequency signal

Fig. 24. Harmonic radar schematic diagram.

at 11 GHz. The precise system parameters are detailed in
Table 7.

Outdoor field experiments were conducted using a
harmonic radar system in an open area to validate the
performance of the proposed harmonic tag.The harmonic
radar consists of a transmit path and a receive path, as
illustrated in Fig. 24.

In the transmit path, a high-precision oscillator
and a phase-locked loop (PLL) are employed to gen-
erate a stable 5.5 GHz fundamental signal with low
phase noise. The signal is amplified by a PA, filtered
to suppress out-of-band noise, and transmitted through
a directional antenna to ensure efficient radiation toward
the target.The receive path is designed to capture the
second harmonic response generated by the nonlinear
behavior of the tag. The received 11 GHz signal is fil-
tered, amplified by a low-noise amplifier (LNA), and
mixed with a locally generated 11 GHz signal pro-
duced by a frequency doubler driven by the same PLL
source. After mixing, an intermediate frequency (IF) sig-
nal is obtained, which is subsequently digitized by an
analog-to-digital converter (ADC) for further processing,
including target detection and localization analysis.The
experimental setup is shown in Fig. 25 (a), where two
squares indicate the positions of the harmonic radar and
the moving tag. The harmonic radar is located at the ori-
gin, with the y-axis aligned with the radar’s main lobe
direction and the x-axis perpendicular to it, as illustrated
in Fig. 25 (b).

Figure 25 (b) depicts the positional information: the
blue area denotes the location of the harmonic radar, the

Table 7: Harmonic radar system parameters
Parameter Value

Frequency 5.5/11.0 GHz
Waveform Sawtooth FMCW

Transmitting Power 10 W(40 dBm)
Valid Bandwidth 50/100 MHz

Chirp Period 500 μs
Gain of TX Antenna 19.13 dBi@5.5 GHz
Gain of Rx Antenna 21.27dBi@11.0 GHz
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(a)

(b)

Fig. 25. Harmonic radar detection experiment. (a) Har-
monic radar test experimental scene. (b) Experimental
scene diagram.

green area delineates its radiation zone, and the yellow
area signifies the mobile tag. Throughout the experiment,
the tag travels along the positive y-axis direction, where
Rtest denotes the distance between the tag and the har-
monic radar. We can evaluate the performance of the tag
in the experiment through the distance Doppler of the
harmonic radar.

Figure 26 depicts the distance Doppler information
of the tag during its motion. The figure reveals that in
the collaborative experiments between the tag and the
harmonic radar in this study, there exists robust signal
return strength characterized by stable and noise-free sig-
nals. Notably, even at a distance of 35 m, the harmonic
radar can still capture strong echo signals, thus show-
casing the tag’s high performance and its applicability to

Fig. 26. Harmonic radar receiving tag echo power.

Table 8: Comparison between this paper and previous
related works

Ref. [20] [21] [40]
Wire

tag

This

work

Applica
-tion

Track
Insect

Track
Insect

Monitor
Wall

Track
Insect

Track
Insect

Type Passive Passive Passive Passive Passive
Polariza

-tion LP LP LP LP LP

Op. freq.
(GHz)

9.41
&18.8

5.88
&11.76

1.2
&2.4

5.5
&11

5.5
&11

Substr. Copper Rogers Paper Copper PI

Area/λ 2 0.53
×0.53

0.53
×0.53

0.3
×0.26

0.53
×0.53

0.25
×0.15

Gain(dBi)
@ f0;@2 f0

\ \
3.3
;3

-0.7
;-1.6

1.9
;1.5

CLd(dBm)
@-30dBm \ \ -37 -33.8 -33.8

Cg
tag(dBm)

@-30dBm \ \ -30.7 -36.1 -30.4

Mass 12mg 6mg 3g 10mg 5mg

insect exploration experiments in intricate environments.
A comparison between this paper and other state-of-
the art works is listed in Table 8. They are all fully
passive harmonic transponders. Our proposed harmonic
tag not only achieves the smallest size and lightest
weight, but also maintains strong signal strength. This
makes it particularly advantageous in size- and weight-
sensitive applications, such as tracking small organisms
(e.g., insects) and environmental monitoring, where the
tag’s dimensions, weight, and signal strength are all
critical to system performance. By employing an inno-
vative antenna structure and highly efficient nonlinear
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component matching techniques, we have significantly
reduced the overall size and weight of the tag while
preserving excellent radiation characteristics and signal
conversion efficiency. This optimized design ensures the
tag’s adaptability in real-world applications, minimizes
interference with the movement of tracked subjects, and
greatly enhances its reliability and stability.

V. CONCLUSION

The main contribution of this paper lies in the
theoretical analysis of the harmonic generation mech-
anism and device selection for nonlinear components,
the correction of the harmonic tag echo loss calcula-
tion formula, and the design of a miniaturized, low-
mass insect tag without compromising signal strength.
In this study, the fundamental and harmonic frequencies
achieved gains of 1.9 dBi and 1.5 dBi, respectively, both
of which surpass those reported in previous research.
Furthermore, the performance of the tag has been thor-
oughly validated through established experimental plat-
forms. In an indoor test environment, we used a signal
generator emitting 11dBm of power, with echo power
measured at -118.3 dBm at a distance of 3 meters and
a conversion gain of -30.4 dB, confirming the superior-
ity of our method. Additionally, outdoor tests using har-
monic radar also showed strong echo signals. This inno-
vative method contributes to solving the harmonic radar
detection and tracking problem by reducing losses, min-
imizing size and weight, and enhancing the echo signal
strength, all of which demonstrate higher performance
compared to previous studies. Future work will focus on
investigating the adaptability of the tag for insects.
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